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1-2   GENERAL  INFORMATION 


Introduction 


This  volume  contains  the  new  Applications  Reference  Manual 
from  Analog  Devices.  This  manual  is  a  compilation  of  the 
"best"  from  a  noteworthy  collection  of  technical  articles,  appli- 
cation notes,  Analog  Dialogue  articles  and  design  tutorials  writ- 
ten and  published  over  the  past  25  years  by  members  of  Analog 
Devices'  own  technical  engineering  community. 

It  is  our  hope  this  manual  will  serve  as  a  valuable  reference  tool 
to  engineers  involved  in  analog  and/or  digital  circuit  design. 
This  volume  not  only  contains  new  and  innovative  solutions  to 
many  common  (and  even  some  uncommon!)  circuit  design  prob- 
lems, but  also  revisits  standard  solutions  to  problems  such  as 
noise  reduction  and  overvoltage  protection,  to  name  a  few. 

The  various  application  notes  and  technical  articles  have  been 
grouped  into  sections  alphabetically  by  product  category  (e.g., 
A/D  Converters,  Analog  I/O,  Audio  Components,  etc.).  Within 
each  product  category,  the  articles  and  application  notes  have 
been  further  grouped  into  like  topics,  with  the  more  detailed 
topics  at  the  end  of  the  section. 


Since  a  reference  manual  is  only  as  good  as  its  index,  you  will 
also  find  at  the  back  of  the  manual  a  very  complete  and  detailed 
index  sorted  by  product  number,  subject,  application  note  (AN) 
number  and  author. 
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Power-Down  Circuit  Cuts  Power  to  AD7769  and  AD7774 

by  John  Wynne 


Both  the  AD7769  and  the  AD7774,  I/O  ports  intended  for 
HDD  servo  applications,  operate  off  of  +5  V  and  +  12  V 
supply  voltages.  Although  neither  of  these  devices  offer 
power-down  as  a  standard  feature,  implementing  such  a 
function  external  to  the  devices  is  simple  and  inexpen- 
sive. Figure  1  shows  the  suggested  circuit.  The  +5  V  and 
+  12  V  supplies  are  switched  off  by  means  of  MOSFETs, 
Q1  and  Q2,  in  series  with  the  supplies;  however,  the 
sequencing  of  these  supplies  going  into  power-down 
and  coming  out  of  power-down  is  also  important,  and 
this  is  handled  by  the  cross-coupled  NOR  gates  and  their 
output  delays.  The  diode  protection  schemes  recom- 
mended in  the  AD7769  and  AD7774  data  sheets  to 
protect  against  power  supply  mis-sequencing  are  now 
redundant  when  this  power-down  circuit  is  used. 


Figure  1.  Power-Down  Circuit  with  Correct  Power  Supply 
Sequencing 

Figure  2  shows  the  power  on/off  control  input  and  the 
resulting  gate  voltages,  A  and  B.  The  P-channel  Q1  is  ON 
for  a  negative  gate-source  voltage  while  the  N-channel 
Q2  is  ON  for  a  positive  gate-source  voltage. 


In  the  power-down  mode  (POWER  DOWN  control  input 
low)  the  output  of  U4  is  low  giving  a  Q2  gate-source 
voltage  of  VOL,  typically  50  mV  with  Vcc  =  12  V  on  a 
CD4001,  which  is  too  small  to  turn  on  Q2.  Similarly,  the 
output  of  U3  is  high  giving  a  Q1  gate-source  voltage  of 
VOH  -  12  V,  typically  -50  mV,  again  too  small  to  turn 
on  Q1. 


VOLTAGE  AT  (a) 
VOLTAGE  AT  (g) 

Figure  2.  Typical  Voltage  Waveforms  for  Figure  1 


Coming  out  of  the  power-down  mode  (POWER  DOWN 
control  input  brought  high)  the  output  of  U3  goes  low 
and  capacitor  CI  discharges  exponentially  to  VOL  with 
time  constant  R1C1  to  turn  Q1  ON.  When  the  voltage 
level  across  CI  drops  to  the  logic  input  threshold  of  gate 
U4,  the  output  of  U4  goes  high  and  capacitor  C2  charges 
exponentially  to  VOH,  approximately  12  V,  to  turn  Q2  ON. 
Thus  Q1  turns  ON  before  Q2  turns  ON. 


Going  into  the  power-down  mode  (POWER  DOWN 
control  input  brought  low)  the  RC  delays  work  in  re- 
verse, capacitor  C2  being  discharged  to  the  logic  input 
threshold  voltage  of  U3  before  capacitor  C1  is  allowed  to 
charge.  Hence,  Q2  turns  OFF  before  Q1  turns  OFF. 

Power  supply  decoupling  capacitors  for  the  AD7769  and 
AD7774  should  remain  on  the  VDD  and  Vcc  pins  of  the 
devices.  The  10  kfi  resistors  from  VDD  and  Vcc  to  ground 
are  not  vital  to  the  performance  of  the  circuit  but  simply 
act  to  weakly  pull  the  VDD  and  Vcc  pins  to  ground 
in  order  to  discharge  the  decoupling  capacitors.  The 
CD4001  quad  NOR  gate  must  be  powered  from  a  12  V 
supply  which  remains  alive  during  power-down  of  the 
I/O  port. 
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Figures  3  and  4  show  actual  VDD  and  Vcc  waveforms  for 
the  AD7769  when  powering  up  (Figure  3)  and  powering 
down  (Figure  4)  using  the  circuit  of  Figure  1.  For  these 


POWER  DOWN 


Additionally,  under  normal  operating  conditions,  small 
voltage  drops  occur  across  the  ON-resistance,  RDS(ON), 
of  transistors  Q1  and  Q2.  Table  III  compares  the  voltage 
drops  generated  across  two  popular  types  of  N-channel 
and  P-channel  MOSFETs  measured  using  the  AD7769. 


Table  III.  Comparison  of  MOSFET  Performance 
forQ1,Q2 


Transistor 

Effective  RDS(ON) 

Q1,  VP0300M* 

28  mV 

1.60 

Q2,  VN0300M* 

2  mV 

1 .03  n 

Q1,  ZVP2106A** 

46.9  mV 

2.28U 

Q2,  ZVN3306A** 

7.3  mV 

3.76  a 

*Siliconix  Inc. 
**Zetex,  Inc. 


Figure  3.  VDD  &  Vcc  Waveforms  on  Power-Up 


POWER  DOWN 
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2.6V 

_ 

— \. 

V 

10V 

SV 

SV 

f  IIS 

Figure  4.  VDD  &  Vcc  Waveforms  on  Power-Down 


Tables  I  and  II  demonstrate  the  effectiveness  of  the  cir- 
cuit in  shutting  off  all  power  to  the  AD7769  and  AD7774 
I/O  ports. 


■ 


Table  I.  Effectiveness  of  Power-Down  Circuit 
with  AD7769 


Control  Input 

'dd 

'cc 

High 

17.5  mA 

1.94  mA 

(Power  On) 

Low 

3  (xA 

0 

(Power  Off) 

Table  II.  Effectiveness  of  Power-Down  Circuit 


with  AD7774 

Control  Input 

'dd 

'cc 

High 

20.5  mA 

3.24  mA 

(Power  On) 

Low 

3  (iA 

0 

(Power  Off) 
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AD7569/AD7669  Operation  with  Offset  Signal  Grounds 
for  Disk  Drive  Applications 


by  Matt  Smith 


Single  rail  power  supplies  are  the  normal  source  of 
power  for  the  electronics  in  many  disk  drive  circuits.  For 
a  typical  application  such  as  head  positioning,  the  sen- 
sor and  control  signals  are  often  referenced  to  a  voltage 
above  ground  potential.  This  is  done  in  order  to  ensure 
that  both  the  signal  conditioning  and  the  control  cir- 
cuitry is  operating  within  its  linear  region.  With  any  lin- 
ear circuitry,  such  as  op  amps,  there  must  be  sufficient 
headroom  between  the  signal  extremes  and  the  power 
supplies  in  order  to  maintain  linear  operation  over  the 
entire  signal  range.  With  single  supply  linear  circuitry, 
there  must  be  sufficient  headroom  between  the  mini- 
mum signal  level  and  ground  for  the  same  reason.  To 
achieve  this,  the  linear  circuitry  is  often  operated  with  an 
offset  or  biased  signal  ground  scheme  which  creates  a 
pseudo  signal  ground  above  the  system  ground,  and 
thereby  provides  the  necessary  headroom. 

The  sensor  signals  are  normally  converted  to  digital 
format  for  processing.  When  using  standard  ADCs,  the 
offset  signal  level  can  result  in  a  reduced  dynamic  range 
as  several  of  the  bottom  codes  are  unused.  Similarly,  for 
the  control  signals  which  are  generated  using  a  DAC,  a 
deadband  can  exist  which  again  reduces  the  full  dy- 
namic range  of  the  controller.  This  application  note  dis- 
cusses how  the  AD7569/AD7669  analog  I/O  ports  may  be 
configured  to  operate  with  offset  grounds  and  thereby 
maintain  the  full  dynamic  range  of  both  the  ADC  and  the 
DAC. 

The  AD7569/AD7669  is  a  complete  monolithic  8-bit  I/O 
system.  A  block  diagram  for  the  AD7569  is  shown  in 
Figure  1,  while  the  AD7669  is  shown  in  Figure  2.  The 


AD7569  contains  an  internal  voltage  reference,  a 
sample/hold  amplifier,  an  8-bit  ADC,  an  8-bit  DAC,  a 
buffer  amplifier  plus  all  the  digital  control  circuitry.  The 
AD7669  is  similar  with  the  addition  of  an  extra  8-bit  DAC. 
Both  parts  may  be  operated  from  a  single  5  V  power 
supply  with  a  choice  of  0  to  1.25  V  or  0  to  2.5  V  signal 
ranges  for  both  the  ADC  and  the  DAC.  For  further  infor- 
mation on  both  parts  consult  the  data  sheet. 

To  accommodate  input  signals  which  are  not  referenced 
to  0  V  but  to  some  offset  voltage,  VOFFSET,  it  is  necessary 
to  bias  the  ground  of  the  ADC,  AGNDADC,  with  the  same 
voltage  offset.  This  ensures  that  no  unused  codes  or 
deadband  will  exist  at  the  bottom  of  the  ADC  code  table. 
Additionally,  in  order  to  ensure  that  the  full  dynamic 
range  of  the  ADC  is  utilized,  the  maximum  input  swing 
should  equal  the  full-scale  input  swing  of  the  ADC 
(either  1.25  V  or  2.5  V).  Similarly  the  DAC  ground, 
AGNDDAC  may  also  be  biased  up  to  provide  an  offset 
voltage  range  for  the  control  circuitry.  The  AD7569/ 
AD7669  has  independent  ground  connections  for  the 
ADC,  DAC  and  the  digital  circuitry.  These  are  designated 
AGNDADC,  AGN 

Ddac  ar,d  DGND.  These  ground  connec- 
tions are  not  internally  connected  together.  In  most 
applications  these  would  be  externally  connected  to- 
gether, but  in  this  application  they  may  be  utilized  to 
provide  an  offset  voltage  range  for  the  ADC  or  the  DAC, 
or  both.  A  novel  internal  voltage  reference  structure, 
which  derives  the  reference  with  respect  to  VDD  instead 
of  the  more  usual  ground,  is  used  in  the  part.  This  allows 
the  flexibility  to  bias  up  AGNDADC  or  AGNDDAC  indepen- 
dently without  severely  affecting  the  accuracy  of  the 
converters. 


ST     RD    CS     m  DM     DB7  AGMW  «<JND^ 

Figure  1.  AD7569  Functional  Block  Diagram 


st   hd  cs  ym 

Figure  2.  AD7669  Functional  Block  Diagram 
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Figure  3  shows  a  typical  disk  drive  application  circuit 
using  the  AD7669.  The  circuit  implements  a  servo  con- 
trol loop  using  the  ADC  to  monitor  the  head  position 
while  the  DAC  is  used  to  control  the  position.  Separate 
ground  offset  voltages  are  applied  but  these  could  be 
connected  together  if  required. 
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Figure  3.  Servo  Control  Loop 

The  ADC  input  voltage  range  is  shifted  with  respect  to 
the  system  ground  (DGND)  by  VOFFSET  ADC.  This  results 
in  an  offset  transfer  function  as  shown  in  Figure  4.  The 
first  code  transition  occurs  at  an  input  voltage  of 

VOFFSET  ADC  +  0.5  LSB. 
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Figure  4.  ADC  Transfer  Function  with  Offset  Ground 

Similarly,  the  AGNDDAC  may  be  offset  and  the  transfer 
function  for  the  DAC  is  shown  in  Figure  5.  The  output 
voltage  may  be  expressed  as 


=  V, 


OFFSET  DAC 


+  vR 


where  D  is  the  fractional  representation  of  the  digital 
word.  D  may  be  set  from  0  to  255/256. 


"OfFSEt  OAC 


1 1 1 1 — 


— « — 


00  01  02 


DAC  INPUT  CODE  -  HEX 


Figure  5.  DAC  Transfer  Function  with  Offset  Ground 

For  both  analog  grounds,  a  low  impedance  voltage 
source  is  required  which  can  sink  the  currents  flowing  in 
the  ground  lines.  With  a  0.5  V  bias,  the  AGNDADC  current 
is  approximately  4  mA,  and  the  AGNDDAC  current  is  ap- 
proximately 2  mA.  In  order  to  maintain  a  low 
dynamic  impedance,  the  pseudo  grounds  should  be  de- 
coupled to  DGND  using  0.1  u-F  capacitors.  The  capaci- 
tors will  absorb  the  current  transients  which  occur 
during  conversion. 


0.4  0.6  08  10 

OFFSET  VOLTAGE  -  Volts 

Figure  6.  Accuracy  vs.  Offset  Voltage 

- 

A  plot  of  linearity  error  degradation  for  both  the  ADC 
and  the  DAC  is  shown  in  Figure  6.  With  a  ground  offset 
of  0.5  V,  the  ADC  linearity  error  degradation  is  0.2  LSBs 
while  the  DAC  degrades  by  less  than  0.1  LSB.  The  DNL 
error  for  both  the  ADC  and  the  DAC  remains  well  below 
1  LSB  thus  ensuring  no  missed  codes  for  the  ADC  and 
monotonic  DAC  operation. 

Larger  ground  offsets  than  those  shown  in  Figure  6  may 
be  applied  at  the  expense  of  accuracy.  If  significantly 
larger  ground  offsets  are  desired,  then  another  I/O  port 
manufactured  by  Analog  Devices,  the  AD7769,  should 
be  used.  This  part  allows  user  programmable  offsets 
over  a  much  wider  range.  Please  consult  the  data  sheet 
for  further  details  on  this  part. 

Information  furnished  in  this  application  note  is  based 
on  results  taken  from  three  fabrication  lots  and  is  be- 
lieved to  be  accurate  and  reliable.  However  no  responsi- 
bility  is  assumed  by  Analog  Devices  for  its  use. 
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Input/Output  Level  Shifting  with  the  AD7769 

by  John  Wynne 


The  AD7769  contains  a  fast,  8-bit  sampling  ADC  with 
two  input  channels  and  two  8-bit  DACs  with  c 
buffer  amplifiers.  See  Figure  1.  A  unique  feature  of 
the  device  is  the  input  and  output  signal  conditioning 
circuitry  (U.S.  Patent  No.  4,990,916)  which  allows  the 
analog  input  and  output  signal  voltages  to  be  referred  to 
a  level  other  than  analog  ground.  The  input  range  and 
offset  of  the  ADC  and  the  output  swing  and  offset  of  the 
DACs  may  be  adjusted  independently  by  the  applica- 
tion of  ground-referenced,  positive  control  voltages; 


s(ADC), 


3(ADC)   for   the   ADC    inputs  and 


VBIAS(DAC)  and  VSWING(DAC)  for  the  DAC  outputs. 

For  example,  with  VBIAS(ADC)  =  6  V  and  VSWiNG(ADC)  = 

2  V,  the  ADC  can  convert,  with  full  8-bit  resolution,  input 
signals  which  swing  2  V  above  and  below  6  V.  Note 
that  both  input  channels  have  the  same  range.  Similarly 
for  the  DACs,  with  VBIAS(DAC)  =  5  V  and  VSWING(DAC)  = 

3  V,  the  output  voltage  of  the  DACs  will  swing  from  3  V 
above  to  3  V  below  5  V.  Again  both  DACs  will  have  the 
same  range. 

However,  there  may  be  certain  applications  where  the 
two  input  signals  to  be  converted  have  different  bias 
voltage  levels  or  different  signal  swing  ranges.  Similarly, 


it  may  be  necessary  to  generate  DAC  output  signals 
which  have  different  bias  voltage  levels  or  signal  swing 
ranges.  This  application  note  suggests  some  simple  cir- 
cuits for  these  situations.  Table  I  summarizes  the  level 
shifting  operations  possible  and  relates  them  to  particu- 
lar figures.  Voltages  VLEVEL  ,N  and  VLEVEL  OUT  refer  to 
bias  voltage  levels  which  are  different  to  VB]AS(ADC) 
and  VBIAS(DAC),  respectively.  Similarly  VSW,NG  ,N  and 
Vswing  out  refer  to  voltages  swings  which  are  different 
to  vswing<adC)  and  VSW,NG(DAC),  respectively.  Note 
that  there  are  two  different  circuits  when  changing  the 
signal  swing  levels  at  either  the  input  or  output.  The 
choice  of  circuit  depends  on  whether  the  swing  level  is 
being  stepped  up  or  stepped  down. 


Input  Level 
Shifting 


Output  Level 
Shifting 


Condition 


v  LEVEL  IN  ^  v  BIAS 
^SWINfi  in  ^  V 


IAS(ADC) 
swing(ADC) 


'  SWING  IN 
V  SWING  IN  ^  ^wiNG^DC) 


V level  out  ^  VB1AS(DAC) 
Vswing  out  >  VSWing(DAC) 


Circuit 


Figure  2 
Figure  3 
Figure  4 


Figure  5 
Figure  6 
Figure  7 


VDD    AGND(ADC)      AGND(OAC)      vcc  DGND 

-O  O  O  O — fO- 


cs     RO    WR  INT    CLK  DBO-DB7 

Figure  1.  AD7769  Block  Diagram 
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Input  Level  Shifting  Circuits 


TO  AOC  INPUT 
>  V,N  A/B  =  VB1AS(ADC)  ±  VSW1NG(ADC) 


VIN  "  VLEVEL  IN  "  V  SWING  (ADC) 


VB,AS(ADC) 

Figure  2.  Changing  from  VLEVEL  ,N  i  VSWING(ADC)  to  VBIAS(ADC)  ±  VSWINGIADC) 


VIN  =VB,AS(ADC)iVSWING 


VBIAS(ADC) 


in  o  Wv — 1-  — 


R2 

Wv  1 


TO  ADC  INPUT 
OVINA/B  =  VB1AS(ADC)  *VSW,NG(ADC) 


NOTE  SIGNAL  INVERSION  ACROSS  CIRCUIT. 


REQUIRED  RESISTOR  RATIOS:  R2    R4    V  SWING  (ADC) 
R1     m     V  SWING  IN 

Figure  3.  Changing  from  VglAS(ADC)  ft  VswtNG  ,N  to  VglAS(ADC)  ±  VSWING(ADC)  When  VsmNG  m  Is  Less 
than  VSWING(ADC) 


V|N  =VBIAS(ADC),VSWINGIN 


=  VSWINGIN  O  Wv  *  


VBIAS<ADC)  O- 


TO  ADC  INPUT 
-O  V,N  A/B  =  VB1AS(ADC)  ,  VSWING(ADC) 

NOTE  SIGNAL  INVERSION  ACROSS  CIRCUIT. 


REQUIRED  RESISTOR  RATIOS:  R2  VswiNG(ADC) 
R1      VSWING  IN 


Figure  4.  Changing  from  VBIAS(ADC)  ±  Vsw,ng  in  to  VBtAS(ADC)  ft  VSWING(ADC)  When  VSWING IN  Is  Greater 
than  VSWING(ADC) 
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Output  Level  Shifting  Circuits 


FROM  DAC  OUTPUT 


VBlflS(DAC)  O  VW 

R 


rA/B  =  VBIAS(DAC)  ±VSWING(DAC)  O  VA 


°  VOUT=  VLEVELOUT  -  VSWING  (ADC) 


V  LEVEL  OUT 

Figure  5.  Changing  from  VBIAS(DAC)  ±  VSWING(DAC)  to  VLEVBL  OUT  ±  VsmlNG(DAC) 


FROM  DAC  OUTPUT  R1 

V0UTA/B  =  VBIAS(DAC)  sVSWING(DAC)  O  Wf 

R3 

Vbias  (dac) 


°  VOUT=  VBIAS(DAC>  '  VSWING  OUT 


NOTE  SIGNAL  INVERSION  ACROSS  CIRCUIT. 

<  nt 

REQUIRED  RESISTOR  RATIOS:  R2     R4     V  SWING  OUT 
R1=  R3  =  VswiNG  (DAC) 

Figure  6.  Changing  from  VBIAS(DAC)  ±  Vsl/VlfJG(DAC)  to  VBIAS(DAC)  ±  VsmNC  OUT  When  Vsnmc  OUT  Is  i 
than  VswtNG(DAC) 


FROM  DAC  OUTPUT 

V0UTA/B  =  VBIAS(DAC)  jVsw.nqIDAC) 


Vbias  (DAC)  & 


REQUIRED  RESISTOR  RATIOS:  R2     VswiNG  OUT 


■O  V0UT  =  VBIAS  (DAC)  ±  VSW|NG  OUT 


NOTE  SIGNAL  INVERSION  ACROSS  CIRCUIT. 


R1     VswiNG  (DAC) 


Figure  7.  Changing  from  VBIAS(DAC)  ±  VsnlNG(DAC)  to  VBIAS(DAC)  ±  VsmlNG  OUT  When  VsnlNC  OUT  Is  Less 
than  VSWING(DAC) 
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Implement  Infinite  Sample-and-  noiu  irircuiis 
Using  Analog  Input/Output  Ports 

by  Mike  Byrne 


Sample-and-hold  circuits  are  used  in  a  variety  of  appli- 
cations where  the  status  of  a  parameter  at  a  particular 
point  in  time  needs  to  be  acquired  and  held  for  some 
time  after  the  measurement  instant.  The  term  infinite 
sample-and-hold  is  given  to  sample-and-hold  circuits 
that  are  required  to  hold  the  acquired  signal  for  a  rela- 
tively long  period  of  time.  This  type  of  circuit  is  particu- 
larly useful  in  monitoring  changes  in  parameters  over 
periods  of  time  versus  a  fixed  or  "held"  reference  level. 
This  reference  level  may  be  updated  occasionally,  hence 
the  need  for  the  sample-and-hold  function.  It  is  also 
useful  in  peak-detecting  circuits  where  the  held  output 
provides  an  analog  representation  of  the  peak  analog 
input  voltage.  This  application  note  discusses  the  use  of 
three  8-bit  analog  input/output  ports,  the  AD7569, 
AD7669  and  AD7769,  in  the  implementation  of  infinite 
sample-and-hold  circuits. 

The  block  diagram  for  the  AD7569  is  shown  in  Figure  1, 
while  the  block  diagram  for  the  AD7669  is  shown  in 
Figure  2.  The  AD7769  block  diagram  is  illustrated  in 
Figure  3.  The  AD7569  contains  on-chip  track/hold,  refer- 
ence, buffer  amplifiers  as  well  as  an  8-bit  DAC  and  an 
8-bit  ADC.  The  AD7669  is  similar  but  contains  two  DACs 
and  one  ADC.  The  AD7769  has  two  input  channels  and 


two  output  channels.  The  AD7569  and  AD7669  operate 
from  a  single  +5  V  supply  or  from  ±5  V  supplies,  while 
the  AD7769  operates  from  +5  V  and  +12  V  supplies.  For 
more  detailed  information  on  these  parts,  see  Table  I 
and  consult  the  respective  data  sheets. 
- 


ST     RO    CS  WR 


Figure  2.  AD7669  Functional  Block  Diagram 


I  C"*K  I 


NETWORK 


ST     S6    CS  SS 


Figure  1.  AD7569  Functional  Block  Diagram 


Figure  3.  AD7769  Functional  Block  Diagram 
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PRINCIPLE  OF  OPERATION 

The  basic  principle  of  operation  of  the  infinite  sample- 
and-hold  circuits  described  here  is  the  same  regardless 
of  which  part  is  used  to  implement  the  function.  The 
input  signal  to  be  held  is  converted  to  digital  form  using 
the  on-chip  track/hold  and  ADC.  This  digital  data  is 
restored  to  analog  form  using  the  associated  DAC  con- 
tained on  the  same  chip.  This  scheme  has  a  number  of 
advantages  over  traditional  schemes  which  store  the 
value  on  a  hold  capacitor.  Firstly,  because  the  stored 
voltage  is  recreated  using  a  DAC,  the  circuit  does  not 
suffer  from  any  droop  problems  associated  with  storing 
voltages  on  capacitors  for  relatively  long  periods  of 
time.  Additionally,  the  entire  sample-and-hold  circuit 
comes  in  a  single  dual-in-line  package  with  no  external 
components  required  to  implement  the  basic  sample- 
and-hold  function.  Also,  when  the  circuit  is  not  being 
used  for  the  sample-and-hold  function,  it  provides  a  DAC 
and  ADC  function  for  the  user. 


+5V 


OV  OR  -5V 

•ADDITIONAL  PINS  OMITTED  FOR  CLARITY 


INPUT/OUTPUT  CHANNELS 

The  AD7569,  AD7669  and  AD7769  allow  a  number  of 
different  input  and  output  voltage  ranges,  operate  from 
different  power  supplies  and  contain  different  numbers 
of  input/output  channels.  Table  I  provides  a  quick  refer- 
ence as  to  the  differences  between  the  parts  to  allow 
selection  of  the  one  most  suitable  for  a  particular 
application. 

SINGLE-CHANNEL  INFINITE  SAMPLE-AND-HOLD  USING 
AD7569 

The  circuit  of  Figure  4  illustrates  the  implementation  of  a 
single-channel  infinite  sample-and-hold  circuit  using  the 
AD7569.  No  additional  components  are  required  to 
implement  the  function  with  the  AD7569.  The  external 
sample  signal  drives  the  CS,  RD  and  WR  inputs  of  the 
AD7569  (see  timing  diagram  in  Figure  5).  The  input  sig- 
nal is  held  and  the  ADC  conversion  is  initiated  on  the 
falling  edge  of  CS  and  RD.  Data  from  a  previous  conver- 
sion is  output  to  the  data  bus.  The  WR  input  is  also  low 


Figure  4.  Single-Chip,  Single-Channel,  Infinite  Sample- 
and-Hold  Using  AD7569 


SAMPLE  SIGNAL 


OLD  DATA 

 «  


NEW  DATA^- 


Figure  5.  Timing  Diagram  for  Circuit  of  Figure  4 


Power  Supplies 

No.  of  Input  Channels 
No.  of  Output  Channels 
Input  Voltage  Ranges 

Output  Voltage  Ranges 
Conversion  Time 


AD7569 

+  5  V  or  ±5V  (for 
Bipolar  Ranges) 
1 
1 

Oto  +1.25  V,  0  to  +2.5  V, 
±1.25  V,  ±2.5  V 
Same  as  Input  Ranges 
2  lis 


AD7669 

+  5  V  or  ±5  V  (for 
Bipolar  Ranges) 
1 
2 

Oto  +  1.25  V  ,  Oto  +2.5  V, 
±1.25  V,  ±2.5  V 
Same  as  Input  Ranges 
2  lis 


AD7769 

+  5 V  and  +12  V 


;  (ADC)  ±  VSN 


VBIAS  (DAC) 
2.6  lls 


(ADC)* 
(DAC)** 


*vbias  (ADC)  voltage  range  is  +2  V  to  +6.8  V;  VSW,NG  (ADC)  voltage  range  is  +2  V  to  +3  V. 
**vbias  (DAC)  voltage  range  is  +3  V  to  +6.8  V;  VSW,NG  (DAC)  voltage  range  is  +2  V  to  +3  V. 


Table  I.  Selection  Table 


2-12   ANALOG  I/O  PORTS 


at  this  point,  but  since  the  WR  input  is  rising  edge  trig- 
gered no  data  is  written  to  the  DAC  register  and  nothing 
happens  to  the  DAC  output  at  this  time.  When  the  con- 
version is  complete,  data  from  the  conversion  is  placed 
on  the  data  bus;  the  sample  signal  is  then  brought  high 
and  data  from  the  conversion  is  latched  to  the  DAC 
register  on  the  rising  edge  of  WR.  The  sample  signal 
must  be  as  long  as  the  ADC  conversion  time  plus  the 
ADC  data  access  time  plus  the  data  setup  time  required 
by  the  DAC  register.  Operating  at  +  25°C  means  that  the 
AD7569  requires  a  sample  pulse  of  2.12  jjls.  This  is  the 
effective  acquisition  time  of  the  infinite  sample-and-hold 
function,  i.e.,  the  time  it  takes  the  infinite  sample-and- 
hold  to  acquire  a  new  sample.  This  should  not  be  con- 
fused with  the  acquisition  time  of  the  track/hold  on  the 
AD7569  which  starts  when  BUSY  goes  high  and  is 
200  ns  typical. 

The  output  from  the  DAC  provides  a  low  impedance 
output  voltage  source  which  corresponds  to  the  sam- 
pled analog  input.  The  output  voltage  will  be  held  until 
the  DAC  register  is  updated.  The  full-scale  matching 
between  the  ADC  and  DAC  ensures  a  typical  error  of  less 
than  1%  between  the  analog  input  voltage  and  the 
"held"  output  voltage.  If  necessary,  the  gain  and  offset 
differences  can  be  adjusted  out  during  initialization  or 
calibration  cycles  by  adjusting  the  ADC  offset  and  full- 
scale  errors  using  an  external  op  amp. 

Using  an  external  gate  on  the  WR  input,  the  ADC  can 
continue  to  provide  an  A/D  function  while  the  held  ana- 
log value  is  maintained  on  the  DAC  output.  This  gate 
would  only  allow  the  WR  input  to  become  active  when 
the  DAC  output  is  to  be  updated  with  a  new  sampled 
value. 

DUAL-OUTPUT-CHANNEL  INFINITE  SAMPLE-AND- 
HOLD  USING  AD7669 

A  similar  scheme  is  used  to  implement  an  infinite 
sample-and-hold  function  using  the  AD7669  (see  Figure 
6).  This  time  there  are  two  output  channels  to  which  the 
digital  data  can  be  transferred.  Selection  of  the  output  to 
be  updated  is  achieved  using  the  A/B  input  of  the 
AD7669.  In  the  circuit  of  Figure  6,  each  successive  con- 
version is  stored  to  alternate  DAC  registers,  i.e.,  the  first 
to  DAC  A  register,  the  second  to  DAC  B  register,  the  third 
to  DAC  A,  and  so  on.  Updating  of  the  A/B  line  takes  place 
at  the  end  of  conversion  on  the  rising  edge  of  the  sam- 
ple input.  A  power-on  reset  on  the  74HC74  (R1  and  C1  in 
Figure  6)  ensures  that  the  first  conversion  result  is 
stored  in  the  DAC  A  register.  An  alternative  method  is  to 
use  an  external  control  line  to  drive  the  A/B  input  which 
allows  flexibility  in  choosing  which  output  the  conver- 
sion result  is  to  be  transferred  to. 

The  timing  requirements  for  the  incoming  sample  pulse 
are  similar  to  those  outlined  for  the  AD7569.  The  sample 
pulse  width  must  again  be  as  long  as  the  ADC  conver- 
sion time  plus  the  ADC  data  access  time  plus  the  DAC 
register  data  setup  time,  resulting  in  an  acquisition  of 
2.12  |xs  for  the  infinite  sample-and-hold  function. 


ANALOG  -  

INPUT  ° 


(j)  o 


"HELD" 
ANALOG 
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"HELD" 


Voutb  Q  O  ANALOG 


Rl"f"  CLR 
1   1  

0.1^ 


3r 
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Figure  6.  Infinite  Sample-and-Hold  Using  AD7669 

DUAL-CHANNEL  INFINITE  SAMPLE-AND-HOLD  USING 
AD7769 

The  control  logic  required  to  turn  the  AD7769  into  an 
infinite  sample-and-hold  differs  slightly  from  those  out- 
lined for  the  AD7569  and  AD7669.  Unlike  the  previous 
cases  where  the  same  signal  is  used  to  drive  the  RD  and 
WR  signals  of  the  part,  separate  signals  must  be  gener- 
ated here  because  the  AD7769  WR  input  controls  both 
the  ADC  conversion  start  and  DAC  register  updates.  The 
ADC/DAC  control  input  determines  whether  a  DAC  write 
or  a  conversion  start  takes  place  when  WR  is  active.  The 
WR  line,  therefore,  must  be  pulsed  twice  in  the  infinite 
sample-and-hold  application,  first  to  initiate  conversion 
on  the  ADC  and  second  to  transfer  data  to  the  DAC 
register.  The  RD  signal  to  activate  the  ADC  latches  must 
be  generated  when  conversion  is  complete.  The  INT 
output  of  the  AD7769,  which  becomes  active  when  con- 
version is  complete,  is  used  to  generate  this  RD  signal. 
Figure  7  shows  the  circuit  used  to  configure  the  AD7769 
as  a  dual  infinite  sample-and-hold. 

The  timing  diagram  for  the  circuit  is  shown  in  Figure  8. 
When  the  input  sample  signal  is  pulsed  low,  the  WR 
input  of  the  AD7769  goes  low  two  gate  delays  later;  and 
since  the  ADC/DAC  input  is  low,  conversion  is  initiated 
on  the  rising  edge  of  this  signal.  INT  goes  low  when 
conversion  is  complete.  One  gate  delay  later,  the 
ADC/DAC  line  goes  high;  and  a  further  gate  delay  later, 
the  WR  and  RD  inputs  go  low.  RD  going  low  places  data 
on  the  data  bus,  and  this  data  is  written  to  the  respective 
DAC  register  on  the  rising  edge  of  WR.  INT,  and  hence 
RD  and  WR,  is  driven  high  by  RD  going  low.  The  delay 
between  RD  and  INT  is  dependent  on  the  capacitance  on 
the  INT  pin  (CL  in  Figure  7).  A  capacitor  in  the  range 
50  pF  to  100  pF  guarantees  a  WR  pulse  width  which 
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gives  sufficient  time  for  the  ADC  data  access  time  plus 
the  DAC  register  data  setup  time.  The  ADC/DAC  line 
returns  low  one  gate  delay  before  the  WR  line  goes  high 
when  writing  data  to  the  DAC  register.  However,  internal 
delays  on  the  AD7769  ensure  that  data  is  written  cor- 
rectly to  the  DAC  register.  The  resulting  acquisition  time 
for  the  infinite  sample-and-hold  is  a  sum  of  the  ADC 
conversion  time  plus  the  ADC  access  time  plus  the  DAC 
register  setup  time  (the  time  from  the  sample  input 
going  high  to  the  AD7769  WR  and  RD  inputs  going  high). 
In  the  circuit  of  Figure  7,  the  width  of  the  AD7769  WR 


and  RD  pulses  varies  slightly  with  value  of  CL  giving 
slight  variations  in  the  acquisition  time  which  is  typically 
2.75  \xs. 

The  AD7769  contains  two  input  ADC  channels  and  two 
output  DAC  channels.  Selection  of  either  of  the  DAC 
channels  (or  either  of  the  ADC  channels)  is  achieved 
using  the  CHA/CHB  input.  This  input  is  driven  from  an 
external  control  line  and  should  not  change  for  the  dura- 
tion of  the  ADC  conversion  and  the  DAC  update.  As  a 
result  VOUTA  will  hold  the  V,NA  signal  while  VOUTB  will 
represent  the  input  voltage  on  V,NB. 
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Figure  8.  Timing  Diagram  for  Circuit  of  Figure  7 


Figure  7.  Dual  Infinite  Sample-and-Hold  Using  the  AD7769 
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A  Function  Generator  and  Linearization  Circuit 
Using  theAD7569 


M.  Bryant,  MIERE 


INTRODUCTION 

A  function  generator  is  an  electronic  circuit  which  has  an 
input/output  relationship  defined  as  a  function  of  the 
form: 


.(1) 


(It  is  perfectly  possible  to  have  function  generators  with 
current  inputs  and  outputs,  or  even  transconductance  or 
transimpedance  function  generators  -  with  voltage  in 
and  current  out  or  current  in  and  voltage  out,  respec- 
tively -  but  the  commonest  case  is  the  simple  one  of 
voltage  in  and  voltage  out.) 

Function  circuits  are  used  in  analog  computations  of  all 
sorts  to  generate  functions  and  are  also  used  to  linearize 
the  responses  of  nonlinear  transducers  and  circuits  - 
this  last  application  wil  be  described  in  detail  towards 
the  end  of  this  application  note. 
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LOG  V,,, 


(BW:  DC  -  140MHz) 


AD639 


SINVIN,COS  V1N, 
TAN  V|N.  ARCSIN  VIN , 
ARCTAN  VIN,  AND 
MANY  OTHERS  (DEPENDS 
ON  CONNECTION  OF  DEVICE, 
BUT  RARELY  REQUIRES 
EXTERNAL  COPONENTS) 


AD538 


Figure  7. 


(THE  AD538  WILL  ALSO 
MULTIPLY  AND  DIVIDE.) 


!  Function  Generators 


Such  circuits  (some  of  which  are  shown  in  Figure  1) 
include  logarithmic  circuits  such  as  the  AD640,  whose 
output  is  the  logarithm  of  its  input  over  a  45  dB  dynamic 
range  (and  with  a  bandwidth  of  dc  to  over  140  MHz), 
trigonometric  ones  such  as  the  AD639,  which  can  be 
configured  to  have  transfer  functions  corresponding  to 
most  trigonometric  functions  (including  sine,  cosine, 
tangent,  contangent,  versine,  haversine,  arcsine,  arc- 
cosine  and  many  more),  and  root  and  power  circuits, 
which  can  be  made  with  such  devices  as  the  AD538,  and 
whose  output  is  a  power  of  the  input  of  the  form 


V0  =  Vm" 


(2) 


where  m  may  have  any  integer  or  noninteger  value 
between  0.2  and  5.  (The  AD538  is  much  more  versatile 
than  this,  being  a  log-amp  based  multiplier/divider/ 
power  circuit  with  an  output  of  the  form 


but  in  the  present  application  note  we  are  interested 
in  function  generators  and  not  in  more  general 
computation.) 

Equation  (2)  is  not  dimensionally  correct  since  the 
put  is  a  voltage,  rather  than  (voltage)™,  and 
strictly  be  expressed  as 


Vn 


.(3) 


Where  the  function  is  more  complex,  or  perhaps  discon- 
tinuous, there  is  unlikely  to  be  a  ready-made  integrated 
circuit  that  will  perform  the  necessary  operation.  In  such 
a  case  a  function  generator  may  be  made  from  an 
analog-digital  converter  (ADC),  a  digital-analog  con- 
verter (DAC)  and  a  read-only  memory  (ROM).  It  is  a 
function  generator  of  this  type  that  this  application  note 
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Figure  2.  Basic  "Convert/Lookup/Convert"  Function 
Generator 

The  basic  design  of  such  a  function  generator  is  obvi- 
ous: the  input  voltage  is  applied  to  the  ADC  and  the 
resulting  digital  code  is  used  as  the  address  of  a  mem- 
ory location  in  a  ROM  (Figure  2).  The  data  word  at  that 
location  is  then  applied  to  a  DAC  to  produce  an  output 
voltage.  With  suitable  ROM  programming  any  function 
may  be  produced  by  such  a  circuit  -  the  accuracy  will 
depend  on  the  resolution  of  the  ADC  and  DAC. 

THE  AD7569  USED  AS  A  FUNCTION  GENERATOR 

The  AD7569  (which  is  illustrated  in  Figure  3)  consists  of 
an  8-bit  ADC  and  an  8-bit  DAC,  with  a  integral  voltage 
reference.  It  is  available  in  a  24-pin  "skinny-DIP"  dual-in- 
line (DIP)  package,  a  28-pin  leadless  chip  carrier  (LCC) 
and  a  28-pin  plastic  leaded  chip  carrier  (PLCC). 


The  ADC  contains  an  integral  sample-and-hold  (SHA) 
circuit  and  performs  a  conversion  in  2  (jls,  and  the  DAC 
settles  in  1  u.s.  Input  and  output  ranges  of  0-1.25  V, 
0-2.5  V,  ±1.25  V  and  ±2.5  V  may  be  programmed  by  a 
range  pin  and  the  use,  or  not,  of  a  negative  supply.  The 
ADC  and  DAC  ranges  are  identical  -  it  is  not  possible  to 
program  them  separately.  The  table  in  Table  I  shows 
how  these  ranges  (and  the  data  formats  associated  with 
them)  are  programmed. 


Range 


0V 
0  V 

-5  V 
-5  V 


Input/Output 
Voltage  Range 


Oto  +1.25  V 
Oto  +2.5  V 
±1.25  V 
±2.5  V 


DB0-DB7 
Data  Format 


Binary 
Binary 

2s  Complement 
2s  Complement 


2 


-CP 


NETWORK  *  THOLO    *  ADC 


RD     CS  WR 


DBO  DB7  AGND  AGNDBAC 


Table  I.  AD7569  Ranges  and  Data  Formats 

The  data  output  from  the  ADC  and  the  data  input  to  the 
DAC  use  a  common  data  port.  While  it  would  be  per- 
fectly possible  to  multiplex  this  data  onto  the  separate 
address  and  data  buses  of  a  normal  ROM,  it  is  obviously 
simpler,  if  possible,  to  use  a  ROM  with  a  multiplexed 
address/data  bus.  The  SC22102  EEPROM  from  Sierra 
Semiconductor  is  an  18-pin  256  x  8  device  which  is  ideal 
for  the  application. 

The  input  voltage  is  applied  to  the  V,N  pin  of  the  AD7569. 
The  input  impedance  is  quite  low  and  the  bias  current 
quite  large  (and  both  vary  with  range  -  for  details  see 
the  AD7569  data  sheet),  so  it  is  well  to  use  a  buffer 
amplifier.  It  will  also  be  necessary  to  use  a  buffer  ampli- 
fier if  the  input  range  is  not  one  of  the  ranges  available 
from  the  AD7569. 


Figure  3.  AD7569  Functional  Block  Diagram 


10pF 


Figure  4.  Circuit  Diagram  of  Basic  Function  Generator 
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Again,  the  range  available  from  the  AD7569  is  limited  to 
the  range  used  for  the  input,  so  if  a  different  output 
range  is  required,  an  output  buffer  with  appropriate  gain 
and  level  shifting  must  be  used. 

The  basic  system  uses  only  the  AD7569,  the  SC22102, 
and  a  4093  CMOS  quad  schmitt  NAND  gate  which  per- 
forms all  the  logic  and  timing  functions  (unused  4093 
inputs  are  tied  to  +5  V). 

Gate  1  of  the  4093  acts  as  a  relaxation  oscillator.  Its 
output  consists  of  3  u.s  negative  pulses  separated  by 
positive  periods  which  must  be  at  least  1  u.s  in  duration. 
R1  sets  the  duration  of  the  negative  part  of  the  cycle 
(T1),  and  R2  sets  the  duration  of  the  positive  part  (T2). 
The  overall  sampling  frequency  is  1/(T1+T2).  The  mini- 
mum sampling  frequency  depends  on  the  bandwidth  of 
the  input  signal  and  should  be  256  times  the  maximum 
component  of  the  input  signal  -  in  practice,  since  the 
maximum  sampling  frequency  is  250  kHz,  this  limits  the 
maximum  component  of  the  input  spectrum  to  about 
1  kHz. 

A-D  conversion  is  triggered  by  the  falling  edge  of  the 
gate  1  output.  Shortly  afterwards  (about  100  ns)  the 
AD7569  BUSY  line  goes  low.  BUSY  is  applied  to  gate  4 
of  the  4093  after  a  delay  of  about  250  ns  set  by  C4  and 
R5  (the  ease  with  which  delays  and  sharp  edges  may  be 
produced  is  the  reason  for  the  use  of  the  4093  schmitt 
device  rather  than  a  simple  quad  NAND  gate).  The  out- 
put of  gate  4  is  applied  to  the  ALE  input  of  the  SC22102 
-thus,  250  ns  after  BUSY  goes  high  the  result  of  the  A-D 
conversion  is  latched  into  the  address  latch  of  the 
SC22102  (250  ns  is  much  longer  than  is  necessary  but 
allows  an  ample  margin  for  the  rather  inexact  thresholds 
of  the  4093). 

When  the  output  of  gate  1  goes  high  again,  two 
monostables  are  triggered.  One,  formed  by  C2,  R3,  D1 
and  gate  2,  has  a  period  of  about  250  ns  and  is  applied  to 
the  WR  input  of  the  AD7569;  the  other,  formed  by  C3, 
R4,  D2  and  gate  3,  has  a  longer  period  and  is  applied  to 
the  OE  of  the  SC22102.  This  reads  the  contents  of  the 
memory  at  the  latched  address  into  the  DAC.  In  most 
cases  the  output  of  gate  2  could  be  used  top  drive  both 
WR  and  OE,  but  a  potential  race  condition  is  involved 
and  since  the  fourth  gate  of  the  4093  would  otherwise  be 
unused,  it  is  safer  to  hold  the  memory  output  enabled 
until  the  DAC  is  safely  latched. 

The  basic  function  generator  circuit  is  shown  in  Figure  5 
-  it  uses  the  three  integrated  circuits  (AD7569,  SC22102 
&  4093),  four  diodes,  five  resistors,  five  capacitors  (plus 
three  supply  decoupling  capacitors),  and  two  switches. 
In  most  practical  applications  the  switches  will  not  be 
necessary  and  the  gain  range  required  will  be  hard- 
wired. If  the  circuit  will  be  used  only  in  the  unipolar 


are  shown  in  Figure  5. 


(?)  |- —  T1(3Ns)   T2+1US  — 


0   


0 


U  | 
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(1)  RELAXATION  OSCILLATOR  WAVEFORM  f=1/(T1*T2) 

(2)  MONOSTABLE  1  OUTPUT  -  DRIVES  WR  OF  THE  AD7569  DAC. 

(3)  MONOSTABLE  2  OUTPUT  -  DRIVES  OE  OF  THE  SC22102. 

(4)  AD7569  BUSY  OUTPUT. 

(5)  BUSY  DELAYED  BY  250ns  TO  LATCH  ADC  O/P  INTO  SC22102 
ADDRESS  LATCH  WHEN  CONVERSION  IS  COMPLETE. 

Figure  5.  Control  Waveforms  of  the  Basic  Function 
Generator 

The  circuit  is  so  simple  that  no  set-up  adjustments  are 
necessary  unless  the  sampling  frequency  must  be  set 
particularly  accurately  -  in  this  case  R1  is  set  so  that  T1 
is  at  least  500  ns  longer  than  the  BUSY  signal  of  the 
AD7569  and  T2  is  then  set  to  give  the  correct  sampling 
frequency  (T2  must  be  at  least  1  u.s).  The  timing  of  the 
remaining  4093  circuits  is  imprecise,  but  the  component 
values  chosen  will  work  over  the  full  range  of  4093 
thresholds. 

PROGRAMMING  THE  SC22102 

The  data  in  the  SC22102  EEPROM  define  the  function  of 
the  function  generator.  The  word  at  each  of  the  256 
addresses  defines  the  DAC  output  when  the  ADC  output 
(and,  of  course,  input)  corresponds  to  that  address. 

The  function  is  defined,  therefore,  by  a  lookup  table 
programmed  into  the  SC22102.  Both  the  creation  of  the 
table,  which  depends  on  the  function  required,  and  the 
programming  itself,  which  is  done  according  to  quite 
simple  instructions  given  on  the  SC22102  data  sheet,  are 
beyond  the  scope  of  this  application  note.  It  is  worth- 
while mentioning,  however,  that  the  author  has  built  a 
programmer  for  the  SC22102  which  plugs  into  the  Cen- 
tronics printer  port  of  a  personal  computer  and  uses 
very  simple  software.  Since  the  design  and  software 
depends  on  the  computer  used  (a  12  year  old  Commo- 
dore PET  with  a  heavily  modified  operating  system  -  the 
unmodified  PET  does  not  have  a  Centronics  printer 
port!),  it  is  scarcely  worthwhile  to  publish  it  -  but  the 
total  design  and  construction  time  was  less  than  two 
hours  and  a  similar  exercise  could  easily  be  done  on 
most  other  PCs. 
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APPLICATIONS 

In  its  simplest  application  a  signal  from  a  low  impedance 
source  is  applied  to  the  input  of  the  basic  circuit  and  an 
output  is  taken  from  its  output.  This  is  appropriate  when 
the  input  and  output  ranges  are  identical  and  equal  to 
one  of  the  AD7569  ranges,  and  the  signal  source  is  low 
impedance.  The  resolution  of  both  input  and  output 
being  8  bits,  the  accuracy  will  be  0.4%  FS. 

If  the  input  and  output  range  differ,  or  do  not  conform  to 
one  of  the  AD7569  ranges,  or  both,  buffer  amplifiers  will 
be  necessary.  A  single  buffer  can  alter  both  span  and 
offset  of  a  signal. 

If  a  signal  has  a  span  from  0  to  V  volts,  or  from  -V  to 
+V,  then  no  offset  is  necessary  and  a  simple  amplifier, 
with  suitable  gain,  between  the  signal  source  and  the 
input  of  the  ADC,  or  between  the  DAC  and  the  output,  is 
all  that  is  required.  If  the  gain  required  is  greater  than  1, 
a  simple  noninverting  amplifier,  using  an  op  amp  and 
two  resistors,  is  all  that  is  required.  Such  an  amplifier  is 
illustrate 


» 


OUTPUT 


Figure  6a.  Simple  Noninverting  Buffer 

It  is  not  possible  to  design  such  an  amplifier  with  a  gain 
of  less  than  1.  In  cases  where  the  necessary  gain  is  less 
than  unity  the  input  should  be  attenuated  with  two  resis- 
tors, and  a  unity  gain  amplifier  used  to  buffer  the  atten- 
uated signal.  Figure  6  (b). 


INPUT 


OUTPUT 


GAIN  =  R2/{R1+R2) 

Figure  6b.  Buffer  for  Gain  sh  (R2  Omitted  and  R1  =  0 
when  G  =  1) 

- 


If  the  signal  span  is  from  V,  to  V2  (V,  <V2),  then  both  the 

amplitude  and  the  offset  of  the  signal  must  be  altered.  In 

this  case  let  us  assume  that  the  AD7569  is  set  to  its 

-2.5  V  to  +2.5  V  range.  The  design  and  construction  of 

the  amplifier  is  simplest  if  we  use  an  inverting  buffer  so 

that  an  input  of  V,  gives  +2.5VOUT  and  V2  in  gives 

-2.5VOUT.  The  offset  required  on  this  amplifier  is 

(V,  +  V2)  5 
— ^—  and  the  gain  is  -  — — . 

A  suitable  amplifier  is  shown  in  Figure  7.  Its  gain  is 
 ^  1   ,  ^  ^ 

-— -,  and  its  offset  is   — — .  These  two  formulae 

R2  S3 

allow  us  to  choose  values  for  R1,  R2  and  R3  and  the 
correct  polarity  of  VR,  the  reference  voltage  (an  external 
voltage  reference  is  required  for  this  circuit  because, 
although  the  AD7569  contains  a  band  gap  voltage  refer- 
ence, it  does  not  have  its  output  available  externally). 
The  advantage  of  this  circuit  is  that  any  value  of  gain 
may  be  set,  greater  or  less  than,  or  equal  to,  unity. 


The  disadvantages  are  that  (a)  the  input  impedance  is 
only  R2,  which  can  only  be  a  few  tens  of  kilohms,  and  (b) 
the  signal  is  inverted  -  so  the  lookup  table  in  the  ROM 
must  also  be  inverted  (i.e.,  V,  will  correspond  to  FS 
positive  at  the  ADC  and  V2  to  FS  negative).  Neither  is 
very  important  and  (b)  is  trivial  -  provided  the  program- 
mer remembers  the  inversion  when  calculating  the 
EEPROM  program! 


R2 

INPUT  Vw- 


R3 

VR  Wr 


^7 


OUTPUT 


GAIN  =  -R1/R2 
OFFSET  =  -VR.R1/R3 


Figure  7.  Inverting  Amplifier.  Gain  May  Be  Set  to  Any 
Value  <1<  Offset  is  Independent  of  Gain 

The  same  circuit  can  be  used  for  the  output.  If  the  output 

range  is  V,  and  V2  (V1<V2),  then  the  gain  required  is 

[V2-V,y-t                   .   iV,  +  V2) 
 ,  the  offset  is  again  ,  and  the  resistors 

may  be  calculated  as  before.  Again,  when  programming, 
remember  that  with  this  inverting  amplifier  +2.5  V  from 
the  DAC  will  give  V,  and  -2.5  V  will  give  V2. 


■ 
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LINEARIZATION 

Suppose  that  the  output  of  a  temperature  transducer  is  a 
voltage  VT  defined  by  the  law 

VT  =  V,  ■  T  +  V2  ■  T2  +  V3  ■  T3 

where  T  is  temperature  in  degrees  Celcius  and  Vv  V2 
and  V3  are  constant  voltages.  If  we  are  using  this  trans- 
ducer to  measure  temperature  and  display  it  on  a  meter, 
we  will  find  that  the  meter  must  have  a  nonlinear  scale. 

Many  transducers  and  electronic  circuits  behave  in  this 
way.  In  some  cases  the  nonlinearity  is  accepted  by  the 
user,  but  there  is  a  steady  demand  for  circuits  which  will 
linearize  such  responses  -  that  is,  in  the  case  above,  a 
circuit  which  accepts  as  an  input  VT  and  has  an  output 
VTi  such  that 

VTy  =  VK  ■  T 


A  practical  circuit  is  shown  in  Figure  9.  The  use  of  two 
cascaded  inverting  amplifiers  results  from  the  difficulty 
of  summing  a  signal  into  a  unity  gain  buffer  (of  course 
many  amplifier  arrangements  do  allow  this  but  the  one 
in  Figure  9  is  one  of  the  simplest).  The  design  of  input 
and  output  amplifiers  for  high  accuracy  linearization  of 
this  type  is  similar  in  principle  to  that  described  earlier, 
but  considerably  more  care  is  necessary  if  amplifier  off- 
set and  gain  errors,  and  even  thermal  effects  in  resistors, 
are  not  to  spoil  the  performance. 


where  the  output  voltage  is  proportional  to  the 
temperature. 

If  a  circuit  or  transducer  is  very  nonlinear,  the  basic 
function  generator  described  above  will  be  required  to 
linearize  it,  and  the  accuracy  will  be  that  of  the  basic 
function  generator  (in  the  present  case  8  bits  or  about 
0.4%).  Many  circuits  or  transducers,  however,  are  only 
slightly  nonlinear,  perhaps  deviating  from  a  straight  line 
response  by  only  a  few  percent.  In  this  case  it  is  evident 
that  a  correction  to  0.4%  is  not  great  gain. 

By  suitable  design,  however,  a  function  generator  with 
0.4%  accuracy  may  be  used  to  linearize  such  a  slightly 
nonlinear  circuit  to  much  higher  accuracy.  The  principle 
is  shown  in  Figure  8. 


SUMMING 
AMPLIFIER 

FUNCTION 
GENERATOR 

ATTENUATOR 

t 

Figure  8.  The  Basic  Principle  of  Linearization 

If  the  maximum  nonlinearity  of  the  signal  is  ±1%,  then  a 
corection  is  applied  to  the  signal  from  the  DAC  of  the 
function  generator.  If  the  maximum  possible  correction 
is  arranged  to  be  ±1%  (=2%),  then  the  resolution  to 
which  the  correction  can  be  applied  is  0.4%  of  2% 
(0.008%  or  almost  14  bits). 

Thus  an  8-bit  function  generator,  as  described  in  this 
application  note,  can  linearize  a  slightly  nonlinear  trans- 
ducer to  14-bits  or  even  more,  with  suitable  summing 
circuitry.  Of  course  if  14-bit  performance  is  required,  the 
accuracy  and  linearity  of  the  remainder  of  the  system 
must  also  be  14-bit  and  great  care  must  be  exercised  in 
its  design  and  the  choice  of  components. 


Figure  9.  High  Accuracy  Linearizing  Circuit 

The  resistor  values  are  calculated  as  follows,  assuming 
that  the  input  and  output  range  is  V,  to  V2  and  that  we 
are  using  end-point  linearization  (i.e.,  V,  and  V2  are 
unchanged  by  the  linearization  procedure  but  intermedi- 
ate values  are  corrected).  We  shall  use  the  basic  function 
generator  in  its  -2.5  V  to  +2.5  V  range. 

We  first  of  all  choose  a  value  for  R1.  This  should  not  be 
so  large  that  Johnson  noise  or  offsets  due  to  amplifier 
bias  currents  are  objectionable,  nor  so  low  that  it  unnec- 
essarily loads  the  signal  source.  A  value  in  the  range  of 
3-10  kfl  is  likely  to  be  suitable. 

If  (V,  +  V2)  is  zero  then  the  voltage  reference,  R3  and  R4 
are  unnecessary.  Otherwise  we  must  next  choose  a  volt- 
age reference,  VR,  which  must  have  the  OPPOSITE  polar- 
ity to  (V,  +  V2).  Any  standard  voltage  reference  circuit, 
such  as  the  AD586  or  AD587,  is  suitable,  but  the  AD588 
is  particularly  suitable  when  high  stability  is  required  - 
and  it  has  the  additional  convenience  of  both  positive 
i  outputs. 


(4) 


Once  R1  has  been  selected,  R2  may  be  calculated. 
SV 

R2  =  fi1 


If  necessary  we  then  use  VR  (inluding  its  sign  -  i.e.,  if  VR 
is  -5V  then  -5V  must  be  used  in  the  equation,  not 
+  5  V),  R1  and  R2  to  calculate  R3  and  R4. 


R3 


«2  ■ 


R4  =  /?1 


-2  Vr 

(V,  +  Vi, 
-2  Vr 

(V,  -  v2)  ■ 


(5) 


.(6) 


Finally,  to  get  the  best  possible  resolution  from  the  lin- 
earization circuit  full-scale  output  from  the  function  gen- 
erator must  correspond  to  the  maximum  error.  There- 
fore if  the  maximum  nonlinearity  to  be  corrected  is  ±A% 
then 

50  ■  R1 

 (7) 


RS  = 


A 
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When  programming  the  function  generator  for  lineariza- 
tion, one  must  set  each  data  word  so  that  when  the  input 
calls  that  address  the  output,  added  to  the  signal  with 
the  gain  of  R1/R5,  brings  the  output  of  the  circuit  to  its 
desired  value.  Where  the  nonlinearity  obeys  a  predict- 
able law  the  program  in  the  function  generator  may  be 
obtained  by  calculation  but  where  it  does  not  simple 
empiricism  rules:  the  response  of  the  circuit  or  trans- 
ducer is  measured  at  256  points  across  its  curve  and  the 
necessary  correction  at  each  point  programmed  into  the 
EEPROM. 


CONCLUSION 

The  function  generator  described  in  this  application  note 
is  simple  (using  only  three  chips),  easily  constructed, 
and  requires  little  or  no  setting  up.  It  can  perform  as  a 
function  generator  with  accuracies  of  0.4%  FS  and,  with 
the  addition  of  one  or  two  functions  to  much  higher 
accuracies.  There  are  in  development  combined  ADC/ 
DAC  circuits  with  higher  resolutions  (e.g.,  the  AD7869 
14-bit  circuit)  which  will  make  higher  resolution  versions 
of  the  system  as  easy  to  implement  -  but  for  many 
everyday  tasks  8-bit  performance  is  more  than  ade- 
quate, and  remarkably  easy  to  achieve. 
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Figure  10b.  Sin  2  X 
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Figure  10c.  X3 
Figure  10.  Typical  Function  Generation 


Figure  1 1a.  Arc  Sin  X  with  Triwave  Input 


OUT 


Figure  1  lb.  Arc  Sin  X  with  Sine  Wave  Input  Gives 
Linear  Triwave  Output 


Figure  11.  Linearization  with  a  Function  Generator 
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8-Bit  A/D  Converter  Mates  Transducers  with  jjlPs 

by  Doug  Mercer  and  Doug  Grant 


Through  the  innovative  use  of  standard  design  concepts, 
a  monolithic  a-d  converter  simplifies  the  job  of  connecting 
transducers  to  a  micropressor  bus.  The  chip  needs  only  +5  V. 



Monolithic  8-bit  analog-to-digital  converters 
usually  operate  slowly,  require  one  or  more  external 
components  (such  as  a  voltage  reference  or  clock), 
and  frequently  draw  their  power  from  both  positive 
and  negative  supplies.  Even  more  important,  they 
can  generally  handle  only  high-level  input  signals 
between  2  and  5  V.  As  a  result,  placing  them  be- 
tween transducers  and  microprocessors  is  not  an 
easy  design  task. 

Bucking  tradition  is  a  successive-approximation 
analog-to-digital  converter  that  not  only  performs 
an  8-bit  conversion  in  10  us,  but  also  runs  from  a 
+  5-V  power  supply.  An  impressive  roster  of  inter- 
nal circuits  permits  system  designers  to  drop  the 
monolithic  converter  directly  onto  a  microprocessor 
bus  without  adding  any  external  components. 

Unlike  other  successive-approximation  devices, 
the  AD670  converter  contains  a  combined  instru- 
mentation amplifier-buffer— with  a  true  differen- 
tial input— which  lies  between  the  signal  sources 
and  the  conversion  circuitry  (Fig.  1).  With  this  dual- 
purpose  component  and  the  chip's  precision  digital- 
to-analog  converter  (which  is  based  on  pnp  rather 
than  the  more  customary  npn  transistors),  the  670 
can  connect  directly  to  a  low-level  floating-output 
signal  source,  such  as  a  strain  gauge  or  other  type  of 
transducers.  Together  these  two  circuits  give  the 
chip  a  full-scale  sensitivity  of  255  mV,  or  1  mV/LSB. 

These  features  would  mean  nothing  to  the  system 
designer  if  the  analog-to-digital  converter  were 
internally  too  complicated  to  manufacture.  To  build 
this  complete  analog  circuit,  innovative  design  tech- 
niques merged  with  precision  bipolar  processing, 
laser  wafer  trimming  of  thin-film  resistors,  and  in- 
tegrated injection  logic  (I2L)— all  of  which  are 


proved  technologies  for  high-volume  production. 
The  linear-compatible  1^  is  the  key  to  incorpo- 
rating dense  logic  functions  on  a  bipolar  chip 
hosting  precision  linear  components. 

The  conventional  successive-approximation  a-d 
converter,  whether  bipolar  or  CMOS,  must  be  exter- 
nally driven  by  a  fast  op  amp  or  some  other  low- 
impedance  component.  A  bipolar  converter  relies  on 
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1.  The  instrumentation  amplifier-buffer  of  the  AD670  8-bit 
a-d  converter  works  with  millivolt-level  transducer  signals. 
The  chip's  design  permits  pin-strapping  for  a  1-  or  10-Mv 
LSB.  Two  other  pin-strapping  or  software-controlled  options 
afford  unipolar  or  bipolar  operation,  as  well  as  two's 
complement  or  binary  output  coding. 


Monolithic  a-d  converter 


the  amplifier  to  eliminate  the  effects  caused  when 
test-bit  currents  from  the  d-a  converter  are  fed 
back  into  the  signal  source.  The  CMOS  version, 
which  must  keep  its  settling  time  at  a  minimum, 
uses  the  op  amp  to  lower  the  charge  or  discharge 
time  constants  for  the  capacitors  in  the  data- 
sampling  comparators.  With  the  670,  in  contrast, 
the  combination  of  input  buffer  and  comparator  ef- 
fectively negates  the  need  for  a  separate,  external 
amplifier. 

The  front  end  of  the  670  is  resistive  and  typically 
needs  only  200  nA  of  input  bias  current.  If  the 
source  impedances  for  the  positive  and  negative 
voltages  are  reasonably  well  balanced,  an  offset 
current  of  5  nA  enables  the  source  impedance  to  rise 
as  high  as  100  kSJ. 

The  basic  input  ranges  of  the  converter  are  +255 
mV  and  from  -128  to  +127  mV.  At  each  input,  an 


attenuator  (RaRb  and  RCRD)  provides  a  10-to-l  at- 
tenuation factor,  which  increases  the  full-scale 
ranges  to  +2.55  V  and  from  -1.28  V  to  +1.27  V. 
When  operating  in  this  higher  voltage  range,  the 
nominal  input  impedance  is  10  kn.  The  input  re- 
sistors supply  overrange  protection  from  latch-up 
for  momentary  shorts  of  up  to  ±30  V  on  either 
input. 

Within  the  input  section  of  the  instrumentation 
amplifier  is  a  voltage-to-current  converter  (Fig.  2). 
Vertical  pnp  transistors  (Qlt  Q2)  and  npn  emitter- 
followers  (Q3,  Q4)  achieve  the  ground-inclusive 
common-mode  range.  The  differential  input  voltage 
is  applied  across  resistor  R1(  leading  differential 
current  to  flow  through  resistors  R2  and  R3.  The 
signal  voltage  between  the  emitters  of  Q5  and  Q6  is 
now  twice  the  input  voltage,  Vin. 

The  outputs  from  both  the  pnp-based  d-a  con- 


2.  To  maintain  the 
chip's  10-mS  conversion 
time  and  other 
performance 
specifications,  the 
AO670's  input  buffer  has 
an  input  impedance  of 
10  kS2,  which  protects  it 
against  momentary 
shorts  of  ±  30  V  on 
either  input  (a).  The 
internal  comparator 
comprises  one 
differential  input  stage 
and  a  cross-coupled 
latch,  which  optimize 
both  speed  and  offset 
voltage  (b). 
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verter  and  the  bipolar  current  source  are  then  re- 
flected by  the  two  Wilson  current  mirrors  made  up 
of  Qt-Q.i  and  Qi„-Qi2.  The  output  current  from  the 
mirrors  is  summed  with  the  current  in  R,,  and  the 
level-shifted  difference  between  the  amplifier's  in- 
put and  the  d-a  converter's  output  appears  at  the 
input  to  the  latching  comparator. 

Since  these  signal  levels  are  rather  small  (the 
full-scale  signal  at  the  comparator's  input  is  only 
512  mV),  clamp  diodes  are  no  longer  required.  These 
small-signal  conditions  also  increase  bandwidth 
and  eliminate  the  need  to  slew  large  voltages  on 
stray  capacitance. 

A  good  heart 

An  a-d  converter  is  only  as  accurate  as  its  com- 
parator. Therefore,  like  the  input  stage,  the  com- 
parator in  the  670  also  embodies  innovative  design 
concepts  (Fig.  2b).  For  example,  the  accuracy  of  the 
comparator  lets  the  converter  resolve  a  1-mV  LSB 
with  less  than  200  mV  of  code  transition  uncertainty. 
Its  basic  setup  is  exactly  like  that  of  the  industry- 
standard  12-bit  574A  a-d  converter.  The  com- 
parator's offset  is  adjusted  by  laser-trimming  cur- 
rent sources  I,  and  I2,  which  are  located  in  the  input 
stage  of  the  buffer  amplifier. 

The  comparator  consists  of  a  single  differential 
stage  (Qir,-Qiii)  and  a  cross-coupled  latch  (Q17-Q20), 
which  is  activated  and  deactivated  by  diverting  the 
current  from  Ir>  through  an  1*L  gate.  The  differen- 
tial output  of  the  latch  is  converted  into  a  single- 
ended  signal  by  Q2t;-Q3o  through  resistors  R  10  and 
Ri  1 .  The  output  of  the  comparator  swings  through  a 
temperature-dependent  amplitude  that  is  centered 
at  1.2  V,  a  value  set  by  the  ratio  of  Ri2  to  R)3.  The 
dependence  on  temperature  is  essential  for  the  com- 
parator to  interface  properly  with  the  I2L  latches 
that  drive  the  pnp-based  d-a  converter. 

The  d-a  converter  employed  in  this  design  com- 
prises eight  identical  100-mA  current  sources,  each 
built  with  a  lateral  pnp  transistor.  They  drive  an 
R-2R  ladder,  which  binarily  weights  each  bit.  The 
converter  uses  the  identical  current  sources  for  each 
bit,  thereby  avoiding  the  need  to  match  the  base-to- 
emitter  voltage  and  the  a  current  gain  of  the  lateral 
transistors.  Each  switch  in  the  converter  contains 
one  common-base  stage,  yielding  the  lowest  charge 
transfer  and  the  fastest  current  settling  time  of  any 
switch  configuration.  Consequently,  the  converter 
settles  to  within  V2  LSB  in  less  than  200  ns. 

A  ninth  current  source  generates  the  bipolar  off- 
set current.  The  output  current  from  the  converter 
and  the  bipolar  source  is  mirrored  and  scaled  in  the 
input  buffer  and  summed  with  the  differential  cur- 
rent from  the  input  voltage.  The  result  is  a  full-scale 
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ge  of  512  mV  at  the  input  of  the  comparator. 


3.  The  670  s  reference  reduces  noise  so  that  millivolt-level 
inputs  can  be  digitized.  Linearity  cross-plots  of  the  zero  and 
full-scale  codes  (top,  bottom)  show  that  noise  levels  caused 
by  the  comparator  are  less  than  V»  LSB.  Noise  is  discerned 
by  the  overlapping  between  each  trace  step  in  the  staircase, 
and  the  vertical  lines  mark  off  V2  LSB. 


Another  novel  circuit  in  the  a-d  converter  merges 
the  classic  functions  of  a  voltage  reference  with 
those  of  its  control  amplifier.  The  dynamic  loop  be- 
havior and  dc  performance  of  the  all-in-one  refer- 
ence are  superior  to  those  achieved  if  the  circuits 
were  separate.  Moreover,  it  substantially  saves  chip 
space. 

Bandgap  references  are  often  thought  of  as  hav- 
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ing  more  noise  on  their  outputs  than  do  buried  zener 
diodes.  However,  a  dynamic  crossplot  can  demon- 
strate nonlinearity  and  noise  at  each  bit-code  tran- 
sition. The  plot  is  created  by  summing  a  small  ac 
signal  with  an  analog  reference  voltage  at  the  con- 
verter's input  while  simultaneously  dithering  or 
sweeping  around  the  output  code  of  interest.  A  sim- 
ple 2-bit  d-a  converter  creates  a  four-step  output, 
corresponding  to  the  states  of  the  two  least- 
significant  bits.  The  output  is  applied  to  the  Y  input 
of  an  oscilloscope,  and  the  ac  dither  signal  to  the  X 
input. 

The  reference  in  the  670  increases  neither  code- 
edge  uncertainty  nor  noise  significantly,  as  evident 
in  linearity  crossplots  of  the  zero  and  full-scale 
codes  (Fig.  3). 

Getting  on  the  bus 

The  microprocessor  interface  of  the  670  consists 
of  eight  three-state  output  buffers,  a  Status  output, 
and  five  control  inputs,  which  are  compatible  with 
TTL,  low-power  Schottky  TTL,  and  5-V  CMOS  logic 
(see  Fig.  1  again).  The  Chip  Select  and  Chip  Enable 
inputs  (CS  and  CE)  are  interchangeable  and  must 
be  low  to  read  data  or  to  start  a  conversion. 

Initiating  a  conversion  entails  a  minimum  pulse 
of  250  ns  on  CS  and  CE,  with  the  R/W  line  low.  The 
normally  low  Status  output  will  go  high  about  500 
ns  after  CE,  CS,  and  R/W  go  low,  disabling  the 
converter  and  telling  it  to  ignore  all  inputs  that 
might  direct  it  to  read  or  restart.  If  the  same  control 
lines  are  held  low  longer  than  the  10-,us  conversion 
time,  the  670  will  convert  continuously  until  one  of 
the  lines  goes  high.  The  rising  edge  of  the  high  line 
must  occur  only  when  Status  is  high  and  not  during 
the  short  times  between  cvcles  when  the  670  is  in  a 
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4.  The  successive-approximation  register  in  the  AD670  has 
no  shift  register,  relying  instead  on  the  inherent  gate  delays 
of  80  cascaded  inverters.  The  eight  taps  along  the  delay 
line  generate  both  the  set  or  reset  bits  as  well  as  the 
strobe  for  the  comparator. 


reset  state  prior  to  the  next  conversion  cycle. 

When  CS  or  CE  goes  high,  the  data  outputs  re- 
main in  a  high  impedance  state  until  a  read  cycle  to 
the  a-d  converter  is  initiated  by  bringing  CS  and  CE 
low,  with  R/W  high.  The  outputs  of  the  three-state 
buffers  supply  data  to  the  bus  within  250  ns. 
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5.  Through  its  microprocessor  interface,  the  a-d  converter 
links  directly  to  the  I/O  bus  of  an  Apple  II  (a).  Thanks  to 
the  670's  differential  input,  the  microcomputer  can  operate 
with  signals  from  bridge  circuits  like  load  cells  (b).  The 
AD584  reference  supplies  a  ±  2.5-V  excitation  for  a 
±  150-mV  output  when  a  force  of  I  20  lb  is  applied  to  the 
bridge.  This  is  compatible  with  the  670's  +  128-mV  input 
range  for  a  resolution  of  2.1  oz/LSB. 
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During  a  write,  or  a  start-conversion  cycle,  the 
Bipolar/Unipolar  Offset  input  (BPO/UPO)  and  the 
Format  input  are  latched  into  the  converter.  Tied  to 
the  data  bus,  these  lines  can  be  changed  as  each 
conversion  commences.  BPO/UPO  controls  the  off- 
set current:  A  logic  0  sets  the  converter  to  a  unipolar 
range,  and  a  logic  1  gives  it  a  bipolar  range  (Table 
1).  The  Format  input  selects  either  straight  binary 
or  two's  complement  as  the  form  of  the  data  output. 

 Thejnputs  are  latched  on  the  first  rising  edge  of 

CS,  CE,  R/W,  or  Status,  and  the  same  edge  initiates 
conversion,  with  the  first  cycle  resetting  the 
successive-approximation  register.  Conversion  data 
may  be  read  any  number  of  times  between  con- 
versions, but  it  is  lost  when  a  new  conversion  starts. 

No  circuit  like  an  old  circuit 

Conventional  successive-approximation  registers 
are  designed  around  shift  registers  and  are  basic- 
ally static  in  nature.  The  speed  at  which  they  step 
from  bit  to  bit  is  determined  by  an  external  clocking 
signal,  which  may  range  from  dc  to  the  maximum 
allowed  bv  logic  delavs.  (These  delays  can  be  signifi- 
cant  in  a  linear-compatible  I2L  process,  since  gate 
delays  may  be  an  order  of  magnitude  longer  than  in, 
say,  TTL.) 

The  register  in  the  670  is  more  dynamic  because  it 
has  no  shift  register  and  needs  no  external  clock  to 
step  through  the  successive-approximation  algo- 
rithm. Instead,  it  relies  on  the  inherent  gate  delay 
of  the  linear-compatible  I2L.  The  shift  register  is 
replaced  by  a  delay  line  comprising  80  cascaded  in- 
verters, 10  for  each  bit. 

The  various  pulses  that  set  or  reset  bits  and 
strobe  the  comparator  are  obtained  by  combining 
different  taps  along  the  inverter  string.  Sections  of 
the  delay  line  between  the  taps  may  be  viewed  as 
one-shots,  whose  outputs  are  delayed  versions  of 
their  inputs.  Strung  one  after  another,  the  one- 
shots  generate  a  series  of  properly  timed  pulses  that 
execute  the  successive  approximation.  This  tech- 
nique is  similar  to  the  one  used  over  20  years  ago  in 
the  first  successive-approximation  converters. 

Looking  at  the  delay  line  (Fig.  4),  one-shot  A 
unlatches  the  comparator,  which  samples  the  dif- 
ference between  the  output  of  ^  the  pnp-based  d-a 

Strobe  relatches  the  comparator. 

Gates  K  and  L  delay  the  signal  long  enough  to 
ensure  that  the  comparator's  output  also  has  settled 
before  gating  it  to  the  reset  side  of  the  bit  flip-flop. 
A  pulse  coincident  with  the  comparator's  output 
sets  the  next  bit,  simultaneously  switching  one  bit 
off  and  one  bit  on  and  thereby  minimizing  glitches 
in  the  output  of  the  internal  d-a  converter. 


Since  the  timing  of  the  a-d  converter  is  a  function 
of  gate  delays,  the  design  of  its  gates  has  been  modi- 
fied. Unlike  the  case  with  most  I2!,  circuits,  the  col- 
lector current  rather  than  the  injector  current  is 
controlled,  supplying  a  first-order  correction  for 
transistor  beta.  As  a  result,  gate  delay  is  more  con- 
sistent, ensuring  a  conversion  time  of  no  more  than 
10  fis. 

Apple  bites  back 

The  control  signals  of  the  microprocessor  inter- 
face make  the  670  compatible  with  a  variety  of 
popular  microcomputers,  adding  few  if  any  extra 
parts.  For  example,  when  the  chip  is  connected  to  an 
Apple  II,  the  Device  Select  signal  on  the  computer's 
peripheral  connector  serves  as  the  converter's  Chip 
Enable  line  (Fig.  5a).  The  CS  line  is  connected  to  the 
computer's  4>,  clock,  and  the  R/W  lines  are  the  same. 

The  simple,  direct  connections  mean  that  no  pre- 
amplifiers are  needed  for  transducer-generated 


Table  2.  Applesoft  driver  for 


1  REM 

2  REM 

3  REM 

4  REM 

5  REM 

6  REM 

7  REM 

8  REM 
10 
20 
30 
40 
50 
60 
65 


PROGRAM  IN  APPLESOFT 
TO  INTERFACE  AD670 
8  BIT  A/O  CONVERTER 
TO  DATA  INSTRUMENTS 
MODEL  JP-20  LOAD  CELL 
WHICH  HAS  +/  -  150  mV 
OUTPUT  FOR  -t  /  -  20  POUNDS 
AND   W  -2.5  VOLT  INPUT 
PRINT  :  PRINT  :  PRINT  :  PRINT 
PRINT  "TARE  (T)  OR  WEIGH  (W)"; 
INPUT  A$ 

IF  A$  <    >  T  GOTO  100 
PRINT  :  PRINT  "CLEAR  SCALE" 
FOR  I  =   1  TO  1000:  NEXT  I 
GOSUB  670 
70  TARE  -  W 

80    PRINT  "TARE  IS  ";TARE:"  POUNDS" 
90    PRINT  :  PRINT  :  PRINT 
95    GOTO  20 

100  REM    ACTUAL  WEIGHT  ROUTINE 

105  PRINT  "PUT  THE  OBJECT  ON  THE  SCALE" 

110  GOSUB  670 

120  NETWT  -  W  -  TARE 

125   PRINT  :  PRINT  :  PRINT  :  PRINT 

PRINT  "NET  WEIGHT  IS  ";NETWT;"  POUNC 
PRINT  :  PRINT  :  PRINT 
GOTO  110 

REM    THIS  ROUTINE  INTERFACES 
THE  AD670  TO  THE  APPLE 
AND  AVERAGES  100  READINGS 
THEN  CONVERTS  THE  ANSWER 
TO  POUNDS 
POKE  49360,2 

REM  THE  2  SETS  THE  AD670  FOR 
REM    OFFSET  BINARY  OPERATION 

683  REM    AND  BIPOLAR  INPUT 

684  W  -  0 

685  FOR  I  -  1  TO  100 
690  X  -  PEEK  (49360) 
695  X  =  X  -  128 
700  X  =  (X  /  150)  "  20 
710  W  -  W  +  X 
720    NEXT  I 
730  W  -  INT  (W  /  10) 
740  W  -  W  /  10 
750  RETURN 
1000  END 


130 
140 
150 
670 
671 
672 
673 
674 
680 
681 
682 


REM 
REM 
REM 
REM 
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Monolithic  a-d  converter 


signals.  For  instance,  the  670  can  link  directly  to 
semiconductor  strain  gauges,  pressure  transducers, 
and  load  cells,  which  typically  produce  30  mV  full 
scale  per  volt  of  excitation.  With  this  setup,  micro- 
processor-based systems  can  monitor  real-world 
parameters,  for  example,  in  another  application, 
the  a-d  converter  can  mate  with  Data  Instruments' 
JP-20  load  cell  (Fig.  5b).  Excited  by  ±2.5  V,  the 
transducer  delivers  ±  150  mV  for  a  force  of  ±20  lb, 
providing  a  good  match  when  the  670  is  operating  in 
a  ±  128-mV  range.  Resolution  is  about  2.1  oz/LSB 
over  approximately  ±17  lb,  but  it  can  be  scaled 
down  to  exactly  2  oz/LSB  by  trimming  the  ex- 
citation voltage  generated  by  the  AD584  reference. 

An  Applesoft  Basic  program  demonstrates  how 
the  converter  meshes  with  both  the  Apple  II  and  the 
load  cell  (Table  2).  Coincidentally,  the  subroutine  at 
line  670  creates  the  actual  interface  for  the  670  a-d 
converter.  The  POKE  instruction  (line  680)  config- 
ures the  device  for  a  bipolar  input  with  offset  binary 
output  coding.  It  also  initiates  the  conversion  cycle, 
which  the  670  completes  in  10  n&.  The  results  can  be 
read  immediately  after  POKE  by  the  PEEK  instruc- 


tion. (In  Applesoft  Basic,  "immediately"  implies  a 
delay  of  about  1  ms.)  In  the  interest  of  reducing  the 
probability  of  unstable  readings  or  noise,  the  micro- 
computer averages  100  readings— doing  so  without 
slowing  the  program's  execution. 

Let  the  computer  do  it 

As  analog  system  designers  finally  come  to  the 
realization  that  microprocessors  are  their  friends 
not  their  foes,  they  can  revel  in  the  true  symbiotic 
relationship  between  converters  and  the  processors. 

Because  of  the  670's  high  input  impedance,  exter- 
nal circuits  can  be  employed  to  scale  the  analog 
input.  By  placing  one-half  of  a  dual  CMOS  8-bit 
multiplying  d-a  converter  (AD7528)  between  Vin 
and  the  670's  positive  input  and  the  other  half  be- 
tween Vref  and  the  negative  input  (Fig.  6),  a  micro- 
processor can  control  the  a-d  converter's  gain  and 
offset  values.  D-a  converter  A,  acting  as  an  attenu- 
ator, controls  gain.  D-a  converter  B  sets  the  offset 
by  controlling  the  voltage  from  the  AD580  precision 
voltage  reference. 

Both  CMOS  converters  work  in  the  voltage- 


6.  A  dual  8-bit  multiplying  converter,  the  AD7528,  controls  the  input  levels  of  the  670  a-d  converter.  D-a 
converter  A  scales  the  voltage  to  the  positive  input  of  the  670,  and  converter  B  scales  the  voltage  from  the 
AD580  going  to  the  negative  input. 
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switching,  or  backward,  mode,  in  which  the  refer- 
ence inputs  (pins  4  and  18)  become  the  voltage 
outputs  and  the  current  outputs  (pins  2  and  28)  be- 
come the  inputs.  Their  voltage  swings  about  2.5  V; 
thus  they  maintain  an  accuracy  of  8  bits— more 
than  enough  accuracy  for  the  670,  which  has  a 
common-mode  range  of  about  2  V.  Moreover,  CMOS 
d-a  converters  working  in  this  mode  present  a  code- 
invariant  impedance  between  their  outputs  and  the 
analog  common.  Consequently,  the  offset  caused  by 
the  input  bias  current  of  the  670  is  constant,  regard- 
less of  the  code  applied  to  the  d-a  converters. 

The  dual  d-a  converter  and  the  a-d  converter  in- 
terface with  a  6800/6502  bus.  The  address  logic 
decodes  a  base  address,  setting  A0  and  Ai  to  a  logic 
0.  The  670's  CS  input  is  low  (true)  for  the  base  ad- 
dress, as  well  as  for  the  base  plus  1,  2,  and  3. 

The  BPO/UPO  and  Format  inputs  are  tied  re- 
spectively to  A0  and  Al.  Writing  to  the  base  address 
yields  a  unipolar  offset  with  a  straight  binary  out- 
put; to  the  base  address  plus  1,  bipolar  with  offset 
binary;  to  the  base  address  plus  2,  unipolar  with 
two's  complement;  and  to  the  base  address  plus  3, 


7.  The  gain  ranges  of  the  670  can  be  regulated  by  a  CMOS 
analog  latching  switch.  When  a  microprocessor  detects  an 
overrange  at  1-mV  LSB,  it  automatically  switches  the 
converter  to  10  mV/LSB. 

bipolar  with  two's  complement  (see  Table  1  again). 
The  base  address  plus  4  loads  d-a  converter  A,  and 
the  base  address  plus  5  loads  d-a  converter  B.  By 
reading  any  of  the  first  four  addresses,  the  micro- 
processor can  find  out  the  results  of  the  a-d  con- 
version. 

D-a  converter  A  scales  down  the  positive  input  of 
the  670.  A  full-scale  code  (all  Is)  goes  through  un- 
touched with  a  gain  of  255/256  (near  unity),  where- 
as a  zero  code  cuts  off  the  input  completely.  D-a 
converter  B  sets  Vret,  which  is  connected  to  the 


negative  input  of  the  670.  The  effective  value  of  Vin 
is  set  by  the  following  equation: 

NC  „.c    v  ,  NB  „ 
Vin  =  NA       m       NA Vret 

where: 

NA  =  code  fed  into  d-a  converter  A 

NB  =  code  fed  into  d-a  converter  B 

NC  =  code  generated  by  a-d  converter 

Vref  =  2.048  V 
The  gain  and  the  offset  of  the  670  are  controlled  by 
software  and  can  vary  for  different  input  signals. 

Measurement  can  reach  a  resolution  higher  than 
8  bits  with  a  two-step  conversion  technique.  Here 
converter  A  divides  the  input  by  eight  and  sets  its 
code  equal  to  32;  meanwhile  converter  B  is  setting 
its  code  to  0,  and  the  670  is  completing  a  unipolar 
conversion.  Converter  B  is  then  loaded  with  the  re- 
sult of  that  conversion,  applying  a  fraction  of  Vref, 
approximating  Vin,  to  the  670's  negative  input.  The 
fraction  is  then  subtracted  from  the  positive  input 
voltage.  If  converter  A  is  now  set  to  full  scale  and 
the  result  of  the  subtraction  undergoes  a  second  a-d 
conversion  (bipolar  two's  complement),  the  output 
of  the  670  will  resolve  1  mV  over  the  input's 
common-mode  range. 

The  Vref  input  to  d-a  converter  B  could  easily  be 
changed  to  a  second  signal  source  rather  than  re- 
main a  fixed  reference  voltage.  In  this  instance,  the 
altered  Vref  and  Vin  can  be  independently  scaled  by 
the  dual  d-a  converter,  with  the  difference  between 
their  outputs  provided  by  the  differential  input 
stage  of  the  670,  whose  output  is  determined  by  the 
equation: 


NC 


(NA/256)  VA  -  (NB/256)VB 
256  mV 


where  VA  and  VB  are  the  input  voltages  for  d-a 
converters  A  and  B,  respectively,  and  NC  is  the  out- 
put code. 

Switching  gain-range 

An  analog  CMOS  switch,  the  AD7592,  can  shift 
the  a-d  converter's  gain  between  high  and  low 
ranges  (Fig.  7).  The  two  positive  inputs  are  tied 
together  to  obtain  the  converter's  full-scale  range  of 
0  to  255  mV.  In  the  alternate  position,  the  switch 
shorts  the  low  Vin  inputs  to  ground,  creating  a 
10-to-l  division  of  Vin  and  changing  the  converter's 
range  to  0  to  2.55  V. 
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AD7578  and  AD7582  Performance  with  Reduced  VDD  Supply  (12V  ±  10%) 

by  Dan  Sheehan 


The  AD7578  is  a  single-channel,  medium-speed,  mono- 
lithic 12-bit  CMOS  AID  converter,  which  uses  the  succes- 
sive approximation  technique  to  provide  a  conversion 
time  of  100n,s.The  AD7582  is  a  four-channel  version  of  the 
AD7578,  with  similar  specifications.  Both  devices  feature 
very  low  offset  voltage  (typically  less  than  100u.V),  low 
gain  error  and  easy  interfacing  to  most  8-  and  16-bit 
microprocessors  using  standard  control  signals  (CS,  WR, 
RD). 

The  devices  require  three  power  supply  voltages  and  a 
reference  voltage,  which  have  the  following  data  sheet 
specifications:  VDD=  +  15V  ±5%,  VCC=+5V  ±5%,  Vss 
=  -5V  ±5%  and  VREF  =+5V(±5%).  However,  the  in- 
dustry standard  +  15V  (or  ±15V)  power  supply  is  giving 
way  to  a  new  standard  +12V  (or  ±12V)  supply.  The 
majority  of  modern  personal  computers  (e.g.,  IBM  PC*) 
have  also  adopted  the  12V  standard,  with  a  tolerance  of 
±  10%  on  this  nominal  figure.  This  note  discusses  the  typ- 
ical performance  of  the  AD7578  (AD7582)  with  a  reduced 
VDD  of  12V  ±10%  (Vss  and  Vcc  remain  unchanged),  over 
the  operating  temperature  range  of  0  to  +70°C.  The  im- 
plied tolerances  on  VDD  throughout  this  application  note 
are  ±5%  and  ±  10%  for  15Vand  12V  respectively.  A  toler- 
ance of  ±5%  is  implied  on  VREF.  The  relevant  test  circuits 
and  test  conditions  used  to  generate  the  results  are  given 
in  the  data  sheets. 

ACCURACY 

The  internal  12-bit  DAC  and  comparator  determine  the  ac- 
curacy of  the  AD7578  (AD7582).  The  operation  of  both  the 
DAC  and  comparator  are  influenced  by  reducing  VDD. 

We  will  now  look  at  the  response  of  the  various  parame- 
ters with  reduced  VOD. 

Offset  Error 

This  error  results  from  the  internal  comparator  circuit 
only.  The  offset  voltage  of  the  comparator  changes  with 
temperature  and  VDD.  However,  the  comparator  circuit  is 
an  autozero  type,  with  an  autozero  cycle  occurring  at  the 
start  of  each  conversion.  This  compensates  for  any  offset 
•IBM  is  a  trademark  of  International  Business  Machines  Corp. 


voltage  change  and  results  in  very  low  system  offset  volt- 
ages, typically  less  than  100(xV. 

The  offset  error  of  the  AD7578  (AD7582)  remains  virtually 
unchanged  with  a  VDD  of  12V  versus  15V  over  the  0  to 
+  70°C  temperature  range.  The  AD7578  (AD7582)  meets 
the  data  sheet  specification  for  offset  error,  of  ±  1/4LSB 
max,  overthese  conditions. 

Full-Scale  Error 

Full-scale  error  of  the  AD7578  (AD7582)  remains  practi- 
cally unchanged  for  12V  versus  15V  operation  over  the  0 
to  +70°C  temperature  range.  The  data  sheet  specification 
for  full-scale  error,  of  ±  1/4LSB  max,  is  met  by  the  ADC 
overthese  conditions. 

Endpoint  Nonlinearity  Error 

This  parameter  is  not  separately  specified  on  the  data 
sheet  but  is  included  in  the  total  unadjusted  error  (T.U.E.) 
specification.  The  internal  DAC  is  the  principal  source  of 
endpoint  nonlinearity  error  for  the  AD7578  (AD7582),  with 
reducing  VDD,  because  it  is  scaled  and  laser  trimmed  for 
operation  with  a  VDD  of  15V  and 

Vref  of  5V.  The  com- 
parator has  a  negligible  effect  on  this  parameter  with  re- 
ducing VDD.  The  endpoint  nonlinearity  error  of  the  DAC, 
and  thus  of  the  AD7578  (AD7582),  degrades  (negative 
bow)  by  typically  -  1/2LSB  with  a  VDDof  12V  (Oto  +  70°C). 
However,  the  negative  bow  can  be  avoided  by  reducing 
VREF  in  proportion  to  VDD,  e.g.,  VDD=12V  and  VREF  =  4V. 
Note  that  the  previous  results  given  for  offset  error  and 
full-scale  error  apply  equally  for  a  VREF  of  4V  or  5V,  due  to 
the  inherently  low  errors  of  the  ADC. 

Total  Unadjusted  Error  (T.U.E.) 

This  is  a  comprehensive  specification  which  includes 
offset  error,  full-scale  error  and  endpoint  nonlinearity 
error.  The  T.U.E.  specification  given  in  the  data  sheet  for 
1 5V  operation  (VREF  =  5V,  Tmin  - 

Tmax)  is  —  1 LSB  max.  This 
specification  can  be  maintained  over  the  Oto  +70°C  tem- 
perature range,  with  12V  operation,  by  reducing  VREF  to 
4V.  The  T.U.E.  specification  must  be  increased  to  ±  2LSBs 
max  (  +  3/2LSB  typ)  with  12V  operation  and  VREF  of  5V  (0 
to  +  70°C). 
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Differential  Nonlinearity 

This  parameter  remains  virtually  unchanged  with  a  VDD  of 
12V  versus  15V,  over  0  to  +70°C  temperature  range 
(VREF  =  4Vor5V). 


IBM  PC  INTERFACE:  The  AD7578  (AD7582)  is  ideal  for  im- 
plementing an  Analog  input  port  for  the  IBM  PC.  The 
AD7578  (AD7582)  interface  given  in  Figure  1  satisfies  all 
timing  requirements  of  the  IBM  PC,  with  a  VDD  of  12V 
(  +  10%) 

Note  that  reducing  VDD  below  12V,  with  a  corresponding 

reduction  in  VREF  (less  than  4V),  does  not  preserve  the  ac-  You  can  assign  I/O  ports  either  to  the  memory  address 

space  (memory  mapped  I/O  port)  orto  the  separate  I/O  ad- 
dress space,  (isolated  I/O  port)  depending  on  the  read  and 
write  signals  you  select.  In  Figure  1  the  computer  uses  its 


curacy  of  the  AD7578  (AD7582)  due  to  the  decreasing  LSB 
size.  The  smaller  LSB  size  increases  the  susceptibility  of 
the  device  to  noise.  Table  I  gives  a  summary  of  all  the 
previous  results. 


15  ±5%' 

12±10%2 

Units 

Vref 

5  V  ±5% 

5V±5% 

4V±5% 

Resolution 

12 

12 

12 

Bits 

Total  Unadjusted  Error 

±1 

±2 

±1 

LSB  max 

Differential  Nonlinearity 

±3/4 

±3/4 

±3/4 

LSB  max 

(No  Missing  Codes) 

OffsetError 

±1/4 

±1/4 

±1/4 

LSB  max 

Full-Scaie  Error 

±1/4 

±1/4 

±1/4 

LSB  max 

Channel-to-Channel  Mismatch 

(AD7582  0nly) 

±1/4 

±1/4 

±1/4 

LSB  max 

NOTES 

'  Data  Sheet  Specifications. 

'Typical  Specifications.  Not  Guaranteed. 

Table  I.  Summary  of  Accuracy  Results.  VCC=5V  ±5%, 
VSS=-5V  ±5%,  TA  =  0°C  to  +  70°C. 

,  ■ 

TIMING 

In  general,  the  various  parameters  of  the  AD7578 
(AD7582)  deteriorate  with  decreasing  VDD.  However,  any 
deterioration  to  the  timing  remains  well  within  the 
guardbanded  specifications  given  in  the  data  sheetforthe 
0  to  +  70°C  (KN  grade)  temperature  range,  with  the  excep- 
tion of  one  parameter,  RD  to  Valid  Data  (Bus  Access 
Time).  The  specification,  forthe  RD  to  Valid  Data  parame- 
ter, must  be  increased  for  12V  operation.  The  increases 
necessary  are:  from  200ns  to  250ns  for  +25"C  operation 
and  from  240ns  to  300ns  for  0  to  +70°C  operation.  This 
timing  change  is  very  small  and  should  have  no  effect  on 
most  m-P  interfaces. 


3_E 


ADDRESS 
DECODE 





AO     A1  BVSL 


AD75781 
(AD75822) 



RD 


WR 

DB0  -  DB7 


5 


'ADDITIONAL  CIRCUITRY  OMITTED  FOR  CLARITY 
^BROKEN  LINES  SHOW  EXTRA  CONNECTIONS 
REQUIRED  FOR  AD75S2  INTERFACE 

Figure  1.  AD7578  (AD7582)  to  IBM  PC  Interface 


IOR  and  IOW  lines  (versus  MEMR  and  MEMW)  to  treat  the 
AD7578  (AD7582)  as  an  isolated  I/O  port. 

Ports  in  the  I/O  address  space  versus  the  memory  address 
space  are  easier  to  decode  and  troubleshoot  because  the 
computer  uses  only  the  lower  10  address  lines  (A0-  A9) 
versus  all  20  address  lines.  However,  the  decoding  logic 
for  ports  in  the  I/O  space  must  accept  the  AEN  signal  to 
mask  out  DMA  cycles  that  also  use  the  same  address 
space.  You  can  use  any  language  to  execute  the  Read  and 
Write  cycles  that  control  the  A/D  converter.  In  Basic,  you 
use  PEEK  and  POKE  commands  if  the  device  is  memory 
mapped,  while  INP  and  OUT  statements  apply  if  the  con- 
verter is  operating  as  an  isolated  I/O  device. 

CONVERSION  TIME 

Conversion  time,  using  internal  CLK,  increases  with  re- 
ducing VDD.  It  does  not  change  for  external  CLK.Theaver- 
age  percentage  increase  in  the  conversion  time  of  a  large 
sample  of  parts,  with  a  VDD  of  12V  versus  15V,  is  7%  (10% 
maximum).  The  autozero  cycle  time  remains  virtually  un- 
changed (internal  CLK)  and  does  not  affect  the 
accuracy  of  the  parts. 

The  conversion  time  increases  because  the  LOW  and 
HIGH  trigger  levels  of  the  Schmitt  trigger  circuit,  which 
monitors  the  voltage  on  the  CLK  inputs,  move  slightly 
apart  with  reducing  VDD.  This  movement  increases  the 
charge  time  of  the  CLK  capacitors  from  the  LOW  to  HIGH 
trigger  levels  and  thus  the  conversion  time  also.  The  re- 
medy for  the  conversion  time  increase,  with  12V  opera- 
tion, is  to  reduce  the  CCLk2  capacitor  value  from  560pF  to 
520pF.  See  Figure  6  in  data  sheet.  This  change  has  a  min- 
ute effect  on  the  autozero  cycle  time  and  does  not  affect 
the  accuracy  of  the  parts. 


POWER  SUPPLY  CURRENT 

IDd  is  proportional  to  VDD.  The  value  of  IDd  decreases  with 
reducing  VDD  voltage,  and  thus  remains  well  within  the 
specifications  for  12V  operation.  Iss  and  lCc  stay  within 
their  specifications  with  reducing  VDDand  are  altered  only 
by  VSs  and  VCc  respectively. 

LOGIC  INPUTS  AND  OUTPUTS 

The  specifications  for  these  parameters  remain  un- 
changed for  reducing  VDDand  are  influenced  by  VCconly. 

POWER  SUPPLY  REJECTION 

The  data  sheet  specification  for  this  parameter  must  be 
increased,  from  ±1/8LSB  typ  to  1/4LSB  typ,  with  12V 
( ±  10%)  operation.  The  increase  is  due  to  the  greatertoler- 
anceon  VDD. 

■ 
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Asynchronous  Clock  Interfacing 
with  the  AD7878 

by  John  Reidy 


The  AD7878  is  a  fast,  complete,  12-bit  A/D  converter  with 
a  versatile  DSP  interface  consisting  of  an  8-word,  first-in, 
first-out  (FIFO)  memory  and  associated  control  logic. 
The  FIFO  memory  allows  up  to  eight  samples  to  be 
digitized  before  the  microprocessor  is  required  to  ser- 
vice the  A/D  converter.  An  on-chip  status/control  register 
allows  the  user  to  program  the  effective  length  of  the 
FIFO  and  contains  the  FIFO  out  of  range,  FIFO  empty  and 
FIFO  word  count  information. 

Due  to  the  complexity  of  the  AD7878  internal  logic,  there 
are  timing  constraints  which  must  be  adhered  to  when 
performing  read/write  operations  to  the  device.  One 
method  of  abiding  by  these  constraints  is  to  use  syn- 
chronous clock  interfacing  as  recommended  in  the  cur- 
rent data  sheet.  However,  such  interfacing  is  not  suitable 
for  every  microprocessor.  Another  disadvantage  is  a 
possible  reduction  in  throughput  rate  depending  on  the 
microprocessor  clock  frequency.  This  application  note 
discusses  the  AD7878  timing  constraints  and  shows  an 
alternative  interfacing  method  that  is  suitable  for  any 
microprocessor  and  will  operate  at  any  sampling  fre- 
quency up  to  the  maximum  of  100  kHz. 

The  AD7878  is  designed  so  that  all  internal  logic  opera- 
tions are  performed  on  a  rising  CLK  IN  edge,  e.g.,  FIFO 
memory  and  control  register  updating  and  ALFL  status 
output  updating  occur  on  a  rising  CLK  IN  edge.  A  read 
operation,  an  activity  which  is  controlled  external  to  the 
device,  must  be  initiated  around  a  falling  CLK  IN  edge. 
Initiating  a  read  operation  (i.e.,  taking  CS  and  DMRD 
low)  on  or  near  the  rising  edge  of  a  CLK  IN  signal  may 
cause  the  device  to  clock  itself  into  an  idle  state  with  the 
only  method  of  recovery  being  to  reset  the  device. 

There  are  two  schemes  which  ensure  correct  timing 
operation  when  interfacing  to  microprocessors: 

1.  Synchronous  clock  operation. 

2.  Stopping  the  CLK  IN  input  while  reading/writing  to 
the  device. 

Synchronous  clock  operation  is  covered  extensively  in 
the  data  sheet.  Briefly,  for  synchronous  clock  operation 
the  ADC  clock  must  be  the  same  as  or  an  inverted  ver- 


sion of  the  microprocessor  clock  out.  As  mentioned  pre- 
viously, CS  and  DMRD  must  not  go  low  near  a  rising 
AD7878  CLK  IN  edge.  Also,  when  writing  to  the  device, 
the  internal  latch  signal  is  the  overlap  between  the  CLK 
IN  low  signal  and  the  CS  and  DMWR  signals  (see  data 
sheet,  page  7).  To  satisfy  the  above  restrictions,  the 
relative  phase  of  the  microprocessor  CLK  OUT  signal 
and  the  memory  control  signals  (CS,  DMRD  and  DMWR) 
must  be  correct  for  synchronous  operation.  For  example 
the  ADSP-2100  CLK  OUT  can  drive  the  AD7878  CLK  IN 
directly;  whereas,  the  TMS3201 0/32020  CLK  OUT  must 
be  inverted  before  being  applied  to  the  AD7878. 

A  leading  issue  with  synchronous  interfacing  is  the  pro- 
cessor CLK  OUT  frequency:  frequencies  greater  than 
8  MHz  make  synchronous  interfacing  impossible,  e.g., 
ADSP-2100A  and  the  TMS320C25  when  operated  at  their 
maximum  speed.  Frequencies  less  than  8  MHz  reduce 
the  ADC's  maximum  throughput  rate,  examples  of  these 
are  the  TMS32010  and  the  TMS32020.  Some  processors 
such  as  the  DSP56000  do  not  have  a  CLK  OUT.  The 
above  issues  can  be  avoided  by  using  an  alternative 
interfacing  option  as  discussed  below. 

The  second  option  is  to  "gate  off"  the  ADC  clock  when 
reading/writing  to  the  ADC.  The  following  constraints 
apply  when  using  this  mode  of  interfacing: 

1 .  DMRD  cannot  go  low  within  20  ns  before  a  rising  CLK 
IN  edge  or  5  ns  after  a  rising  CLK  IN  edge,  see 
Figure  1. 

2.  When  writing  to  the  AD7878,  the  clock  must  be 
stopped  in  the  low  condition. 

3.  The  clock  must  not  be  stopped  during  conversion  or 
when  CONVST  is  low. 


r! — I  REGION  WHERE  DMRD 
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Figure  1.  DMRD  Asynchronous  Timing  Constraint 
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Figure  2  shows  a  general  purpose  asynchronous  clock 
interface.  The  ADC  clock  is  gated  off  with  CS  during 
read/write  operations.  To  comply  with  constraint  1 
above,  the  delay  from  CS  to  DMRD  must  be  5  ns  plus  the 
propagation  through  gate  1.  A  delay  in  series  with  the 
AD7878  DMRD  input  (shown  in  Figure  2)  can  be  included 
to  ensure  a  sufficient  CS  to  DMRD  setup  time.  The  delay 
can  be  realized  with  a  simple  RC  network  or  by  inserting 
extra  gates  acting  only  as  delays  in  the  DMRD  signal 
path. 

The  CS  to  RD  (tCSRD)  delay  for  any  processor  may  be 
found  by  making  the  following  simple  calculation: 


tRO> 


.(D 


where:  tADDR  is  the  Address  valid-time  instant 

tRD  is  the  processor  RD  output  valid-time  instant 
tppop  =  Address  decoder  propagation  delay 

Assuming  that  the  propagation  delay  of  G1  is  5  ns,  the 
DMRD  delay  (tDEL)  must  be  chosen  such  that  tCSRD+tDEL 
>  10  ns.  If  tCSRD  is  already  greater  than  10  ns,  then  the 
delay  can  be  omitted.  If  tCSRD  is  less  than  1 0  ns,  then  tDEL 
=  10  ns  -  tCSRD. 
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Figure  2.  Asynchronous  Clock  Interfacing  with  the 
AD7878 

INTERFACE  EXAMPLES 

Figures  3  to  5  show  interfaces  for  the  ADSP-2100A, 
TMS320C25  and  the  DSP56000.  All  three  interfaces  rely 
on  a  single  wait  state  to  relax  the  fast  data  access  times 
and  data  setup  times  required  by  these  DSP  machines. 
The  single  wait  state  is  hardware  controlled  for  the 
ADSP-2100A  and  the  TMS320C25.  For  the  DSP56000  the 
wait  state  is  software  controlled  by  programming  the 
bus  control  register. 

The  address  valid  to  RD  setup  time  (tADDR  -  tRD  in  Equa- 
tion 1  above)  can  be  calculated  from  the  microprocessor 
timing  specifications.  Next,  assuming  an  addresss 
decoder  delay  (tPROp)  of  10  ns  and  a  gate  propagation 
delay  of  5  ns,  it  is  possible  to  calculate  the  DMRD  delay 
required  for  each  processor  interface.  As  an  example 
take  the  ADSP-2100A,  where  the  tADDR  -  tRD  setup  time 
is  4  ns,  the  DMRD  delay  required  is  16  ns.  The  delay  is 
realized  with  two  gate  propagation  delays  (2x5  ns)  and 
a  6  ns,  RC  delay  in  Figure  3.  Shown  in  Table  I  are  the 
•csrd  _  tRD  and  the  calculated  tDEL  delays  for  the  inter- 
faces shown  in  this  application  note. 


ADSP-2100A   TMS320C25  DSP56000 

tADDR        *RD  (nS) 

4                  10  15 

tDEL (ns) 

16  .               10  5 

Table  I.  Processor  Address  Valid  to  RD  Setup  Times  and 
AD7878  DMRD  Delay  Required 

To  the  processor  the  interface  is  similar  to  synchronous 
interfacing.  The  ADC  asserts  the  processor  interrupt 
input  when  its  internal  FIFO  memory  has  reached  the 
preprogrammed  word  count,  and  then  the  conversion 
results  are  read  from  the  ADC.  Data  transfers  are  not 
allowed  during  conversion. 
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Figure  3.  ADSP-2100A-AD7878  Asynchronous  Clock 
Interface 


Figure  4.  TMS320C25-AD7878  Asynchronous  Clock 
Interface  ,       .  . 
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Figure  5.  DSP56000-AD7878  Asynchronous  Clock 
Interface 
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AD7575  Operation  with  an  Offset  Signal  Ground 
for  Disk  Drive  Applications 

by  Matt  Smith 


The  AD7575  is  a  low  cost,  high  speed,  8-bit  sampling 
ADC  with  a  built-in  track/hold  amplifier.  It  uses  the  suc- 
cessive approximation  technique  to  achieve  a  fast  con- 
version time  of  5  ^s.  The  internal  track/hold  amplifier 
allows  full  scale  signals  up  to  50  kHz  to  be  accurately 
sampled  and  digitized.  Operating  from  a  single  +5V 
supply,  the  device  is  ideal  for  single  supply  applications 
and  has  an  input  signal  range  from  0  V  to  2  VREF.  The 
recommended  reference  voltage  is  +1.23  V  giving  an 
input  range  of  0  V  to  +2.46  V. 

In  many  single  supply  disk  drive  applications,  the  signal 
conditioning  circuitry  is  operated  with  a  pseudo-ground. 
The  pseudo-ground  scheme  is  used  to  ensure  linear 
operation  of  the  conditioning  circuitry  over  the  com- 
plete input  signal  range.  The  signal  swings  around  the 
pseudo-ground  allowing  adequate  headroom  between 
the  signal  extremities  and  the  VDD/0  V  levels  as  illus- 
trated in  Figure  1. 

In  order  to  accommodate  input  signals  which  are  refer- 
enced to  a  pseudo-ground,  and  yet  maintain  the  full 
dynamic  range,  it  is  possible  to  bias  the  ADC  signal 
ground  (AGND  pin)  of  the  AD7575  to  a  potential  above 
0  V  by  an  offset  voltage,  VOFFSET.  This  results  in  an 
ADC  input  signal  span  of  VOFFSET  to  VOFFSET  +  2.46  V. 
The  pseudo-ground  is,  therefore,  located  midway  be- 
tween these  signal  extremes  at  VOFFSET  +  VREF.  This 
corresponds  to  the  midscale  code  in  the  ADC  transfer 
function. 


Figure  7.  Pseudo-Ground  Biasing  Arrangement 


The  recommended  biasing  scheme  for  optimum  perfor- 
mance from  the  AD7575  is  shown  in  Figure  2.  An  AD589 
provides  the  recommended  reference  voltage  of 
+  1.23  V.  The  AGND  pin  is  biased  up  above  the  system 
ground  using  a  single  5  V  operational  amplifier  such  as 
the  TLC271.  The  amplifier  is  necessary  in  order  to  pro- 
vide a  low  impedance  signal  ground  return  path.  The 
amplifier  must  be  capable  of  sinking  the  analog  ground 
currents  which  flow  in  this  line.  In  order  to  maintain 
a  low  dynamic  impedance,  both  the  VREF  pin  and  the 
AGND  pin  must  be  decoupled  as  shown  in  Figure  2.  The 
optimum  decoupling  scheme  uses  10  (iF  in  parallel  with 
0.1  p.F  capacitors  between  VREF  and  AGND  terminals  and 
a  similar  arrangement  between  AGND  and  DGND.  The 
decoupling  is  essential  in  order  to  remove  the  ground 
current  transients  which  occur  during  the  ADC  conver- 
sion process.  Lower  values  of  capacitance  will  result  in 
degraded  performance. 

Using  the  circuit  as  shown  in  Figure  1,  the  performance 
of  the  part  was  evaluated  under  worst  case  conditions 
with  VDD  =  +4.75  V  and  with  AGND  bias  voltages  up 
to  +0.7  V.  With  a  bias  voltage  of  +0.7  V,  the  input  sig- 
nal range  of  the  ADC  is  from  +0.7  V  to  +3.16  V  or 
1.93  V±  1.23  V.  No  degradation  in  accuracy  occurred 
with  this  bias  voltage.  Lower  bias  voltages  may  be  used 
required  but  higher  bias  voltages  may  result  in  perfor- 
mance degradation. 


10(iF  ? 


Figure  2.  AD7575  AGND  Bias  Scheme 
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AD7572A  to  High-Speed  DSP  Processors 

i 

■ 

■ 


by  John  Reidy 


The  AD7572A  is  a  complete  12-bit  CMOS  analog-to-digital 
converter,  with  a  conversion  time  of  3|as  (7572AXX03)  or 
10(jis  (7572AXX10).  An  on-chip,  buried  Zener  diode  pro- 
vides a  stable  reference  voltage  to  give  low  drift  perform- 
ance over  the  full  temperature  range.  An  on-chip  clock  cir- 
cuit is  provided,  which  may  be  used  with  a  crystal/ceramic 
resonator  or  an  external  clock  source  such  as  a  divided- 
down  microprocessor  clock.  The  only  other  external  com- 
ponents required  for  basic  operation  of  the  AD7572A  are 
decoupling  capacitors  for  the  supply  voltages  and  refer- 
ence output. 

The  AD7572A  is  designed  to  interface  with  microproces- 
sors as  a  memory-mapped  device.  Interface  timing  is  suf- 
ficiently fast  to  allow  the  AD7572A  to  support  today's 
most  popular  microprocessors.  The  more  advanced  pro- 
cessors such  as  the  TMS32020  from  Texas  Instruments  or 
ADSP-2100  from  Analog  Devices  demand  faster  data  ac- 
cess times  than  the  AD7572A  can  meet  when  operating  at 
their  maximum  clock  frequency.  This  note  addresses  the 
problem  of  interfacing  the  AD7572A  to  such  high  per- 
formance processors. 


THE  USE  OF  WAIT  STATES 

A  useful  feature  when  interfacing  ADCs  to  high  speed 
microprocessors  is  a  WAIT  state  input.  This  feature 
simplifies  the  hardware  required  for  slow  memory  de- 
vices by  extending  the  microprocessor  bus  access  time, 
thereby,  accommodating  slower  data  access  times.  An 
example  is  the  AD7572A/TMS32020  interface  of  Figure  2. 
One  WAIT  state  (i.e.,  one  clock  cycle)  is  added  to  the 
microprocessor  bus  timing  during  an  ADC  data  read 
cycle. 

The  AD7572A  is  mapped  at  a  port  address.  The  following 
I/O  instruction  both  starts  a  conversion  and  reads  the  pre- 
vious conversion  result  into  a  data  memory  location. 


IN  A,  PA      (PA  =  P( 


ADDRESS  BUS  ^ 

=jr.  ADDRESS 
+  EN  DECODE 

gure  1.  AD7572A  Functional  Block  Diagram 
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If  the  previous  conversion  result  is  too  old,  then  more  up- 
ita  may  be  read  when  conversion  is  complete, 
elay  at  least  as  long  as  the  ADC  conversion  time  must 
be  allowed  between  read  operations.  Note,  this  interface 
is  not  meant  specifically  for  the  TMS32020.  It  works 
equally  as  well  for  the  ADSP-2100  or  any  other  processor 
that  has  the  same  WAIT  state  input  configuration. 

The  interface  of  Figure  2  is  designed  to  extend  the  ADC 
data  read  cycle  by  just  one  WAIT  state  (i.e.,  one  clock  cycle 
or  200ns  for  a  20MHz  TMS32020  clock  input).  The  circuit 
can  be  easily  modified  to  extend  the  ADC  read  cycle  by  the 
AD7572A  conversion  time.  This  is  done  by  driving  the 
7474  clock  input  from  the  AD7572A  SUSY  output  rather 
than  the  TMS32020  CLK  OUT1 .  In  this  way  once  a  conver- 
sion has  started  the  TMS32020  READY  input  does  not  get 
asserted  until  the  AD7572A  conversion  is  complete.  Stop- 
ping the  microprocessor  for  the  entire  ADC  conversion  is 
costly  in  processing  time,  but  it  does  have  the  advantage 
of  reducing  microprocessor  noise. 

MICROPROCESSOR  NOISE 

High  resolution  ADCs,  like  the  AD7572A,  are  sensitive  to 
the  noisy  environments  created  by  high  speed  micropro- 
cessors. Careful  attention  should  be  given  to  a  PCB  layout 


and  power  supply  decoupling.  A  continuously  active 
microprocessor  bus  can  cause  LSB  errors  in  the  conver- 
sion results.  These  errors  are  due  to  feedth  rough  from  the 
microprocessor  to  the  ADC  comparator.  The  problem  of 
microprocessor  noise  can  be  eliminated  by  using  WAIT 
states  for  the  duration  of  the  ADC  conversion  time  as 
suggested  in  the  AD7572A/TMS32020  interface.  Alterna- 
tively three-state  buffers  can  be  used  to  isolate  the 
ADC  data  bus  as  shown  in  the  ADSP-2100  interface  of 
Figure  3. 

EQUAL  SAMPLING  INTERVALS 

In  Digital  Signal  Processing,  and  many  other  applications, 
it  is  important  that  the  signal  sampling  occurs  at  exactly 
equal  intervals.  This  is  to  avoid  errors  due  to  sampling  un- 
certainty or  jitter.  Trying  to  achieve  precise  timing  with  a 
microprocessor  necessitates  counting  clock  cycles  and 
calculating  software  loop  delays.  This  is  especially  diffi- 
cult in  interrupt  driven  systems  where  there  is  uncertainty 
in  interrupt  servicing  delays.  A  preferred  solution  is  to  use 
an  external  timer  to  provide  conversion  control.  Such  tim- 
ers can  be  software  programmable  like  the  8254 from  Intel 
or  a  simple  counter  as  shown  in  the  AD7572A/ADSP-21 00 
interface  of  Figure  3. 
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Figure  3.  AD7572A/ADSP-2100  Interface 
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AD7572A-ADSP2100  INTERFACE 

The  74393  timer  counter  of  Figure  3  uses  the  ADSP-2100 
CLK  OUT  to  generate  an  AD7572A  CLK  IN  and  provide  ac- 
curate conversion  control.  With  an  ADSP-2100  CLK  IN  of 
32MHz,  CLK  OUT  is  8MHz  -  the  counter  is  configured  so 
that  it  starts  a  conversion  every  160  CLK  OUT  cycles  re- 
sulting in  a  sampling  rate  of  50kHz  (see  Figure  4  timing 
diagram).  An  AD7572A  conversion  starts  when  the  timer 
takes  CS  and  RD  inputs  low. 


CS  &  RD 


BUSY 


CONVERSION 
START 


TCH  ADC  DATA 
"ADSP-2100 


Figure  4.  AD7572A/DSP-2W0  Timing  Diagram 


The  converter  acknowledges  by  taking  BUSY  low,  which 
asserts  the  HOLD  input  of  the  Sample-and-Hold  amplifier 
(not  shown  in  Figure  3)  forthe  duration  of  the  conversion. 
CS  and  RD  remain  low  for  16p.s;  the  rising  edge  of  CS  and 
RD  latches  the  conversion  result  into  the  74374  latches 
and  interrupts  the  ADSP-2100  processor.  The  interrupt 
input  is  set  to  be  edge  sensitive  during  program  initializa- 
tion, so  that  it  does  not  have  to  be  reset  during  the  inter- 
rupt service  routine.  The  following  single  load  instruction 
in  the  interrupt  service  routine  reads  the  ADC  data  into  the 
MRO data  register. 

MR0  =  DM  (ADC  ADDRESS)  | 

The  AD7572A  data  bus  of  Figure  3  is  connected  so  that  the 
conversion  result  is  placed  at  the  MSB  end  of  the  16-bit 
MRO  register  (i.e.,  D15-D4).  This  suits  the  internal  left-jus- 
tified fractional  data  format  of  the  ADSP-2100.  The  same 
does  not  apply  for  all  processors;  for  instance,  right-jus- 
tified data  would  probably  be  more  suitable  for  the 
TMS32020.  This  allows  for  word  extension  in  the  event  of 
an  overflow  when  adding  or  multiplying. 

Again,  the  interface  of  Figure  3  is  not  specific  to  the  ADSP- 
2100,  it  is  suitable  for  practically  every  processor  available 
today.  It  has  the  advantage  of  allowing  the  processor  to 
operate  at  maximum  speed  while  the  AD7572A  performs 
conversions  at  constant  sampling  intervals. 
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The  AD7574  Analog  to  Microprocessor  Interface 


by  Paul  Toomey 


INTRODUCTION 

The  AD7574  is  a  low  cost  8-bit  ADC  designed  for  easy  in- 
terface to  microprocessors  as  a  memory  mapped  input 
device. 

It  uses  a  successive-approximations  conversion  tech- 
nique, runs  with  an  internal  orexternal  clockand  can  com- 
plete  an  8-bit  A/D  conversion  in  15  microseconds. 

The  analog  to  digital  conversion  operations  are  controlled 
by  two  logic  inputs  labelled  CS  (Chip  Select)  and  RD 
(READ).  Conversion-in-prog ress  indication  is  provided  by 
a  BUSY  output  signal  (see  Figure  1). 

This  note  is  intended  to  describe  the  AD7574  in  its  three 
main  microprocessor  interface  modes  with  references  to 
external  clock  source,  input  range  switching  and  input 
multiplexing  applications. 


IBOFS)  input  GROUND 
Q  ,9  ©- 


AD7574 


Figure  1.  Inside  the  AD7574 
INTERFACE  MODES 

Since  the  AD7574  is  designed  for  use  in  memory  mapped 
applications  it  can  simulate  RAM,  ROM,  or  SLOW-ROM 
memories  and  can  be  controlled  using  standard  chip 
select,  READ  and  WRITE  signals  common  to  all  memory 
systems. 

ROM  MODE 

The  ROM  Mode  is  the  easiest  mode  in  which  to  use 
the  AD7574.  It  appears  in  the  processor  memory  map 
as  one  byte  of  Read  Only  Memory.  One  instruction  from 
the  CPU  both  reads  conversion  data  and  initiates  a  new 
conversion. 


Basic  Operation:  The  processor  reads  the  8  bits  of  data 
generated  by  a  previous  A/D  conversion  by  executing  a 
READ  instruction  from  the  memory  address  location  as- 
signed to  the  AD7574.  When  the  processor  RD  signal  goes 
LOW  the  AD7574  three  state  drivers  are  activated,  placing 
the  conversion  data  onto  the  processor  data  bus. 

At  the  end  of  the  READ  instruction  the  AD7574  RD  input 
is  returned  HIGH,  resetting  the  device  and  initiating  a  new 
A/D  conversion  sequence  (see  Figure  2). 

ROM  MODE  TIMING 
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Figure  2. 

Typical  ROM  MODE  interface  circuits  for  8080  and  8085 
microprocessors  are  shown  in  Figures  3  and  4.  Most  pro- 
cessors can  be  configured  to  operate  with  the  AD7574  in 
this  mode.  Note:  Any  attempt  to  read  data  from  the 
AD7574during  a  conversion  operation  will  result  in  incor- 
rect data  being  read. 
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Figure  3.  AD7574  to  8080  ROM-MODE  Interface 
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Figure  4.  AD7574  to  8085 ROM-MODE  Interface 
Applications  Of  The  Rom  Mode 

The  advantage  of  this  mode  is  its  simplicity  in  both  soft- 
ware and  hardware  terms.  Reading  conversion  data  is 
accomplished  by  just  one  memory  READ  instruction. 
However,  it  must  be  remembered  that  the  data  read  will 
be  the  result  of  the  previous  conversion  operation.  This 
means  that  the  time  reference  for  the  data  sample  will  de- 
pend on  when  the  previous  READ  operation  finished.  In 
applications  where  this  uncertainty  creates  problems  it 
can  be  eliminated  by  executing  two  READ  operations 
separated  by  a  software  delay  as  shown  in  Figure  5. 
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Figure  5.  Defining  the  Data  Sample  Time  Reference 
(ROM-  MODE) 

RAM  MODE 
Basic  Operation 

In  the  RAM  MODE  the  AD7574  appears  in  the  processor 
memory  map  as  one  byte  of  memory.  A  WRITE  command 
initiates  a  conversion  and  a  READ  command  reads  the 
conversion  data. 

This  mode  offers  complete  control  over  the  converter  op- 
eration. The  time  reference  for  the  data  sample  is  defined 
by  the  WRITE  command.  The  conversion  data  can  be  read 
anytime  after  the  conversion  has  finished. 

In  the  RAM  MODE  a  memory  WRITE  operation  starts  a 
conversion  without  modifying  any  of  the  microprocessor 
accumulators.  (In  the  ROM  mode,  using  a  READ  instruc- 
tion to  start  a  conversion  means  modifying  an  ac- 
cumulator unnecessarily.)  So,  in  situations  where  the  age 
of  a  sample  is  important  the  RAM  MODE  makes  for  sim- 
pler, more  logical  software  than  the  ROM  MODE  at  the  ex- 
pense of  requiring  slightly  more  logic  to  drive  CS  and  RD 
(see  Figures  8  and  9). 
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Figure  6. 


Ram  Mode  Timing  Considerations 

1.  BUSYmust  be  high  before  a  data  read  is  attempted, 
i.e.,  delay  from  conversion  start  to  data  read  must  be 
at  least  as  great  as  the  AD7574  conversion  time.  In 
some  situations  it  is  possible  to  use  the  AD7574  BUSY 
output  to  halt  the  microprocessor  for  the  duration  of 
the  conversion  period  thus  simplifying  the  software  re- 
quirements. 

2.  CS  must  return  HIGH  within  250ns  after  RD  goes  HIGH 
otherwise  a  new  conversion  may  be  initiated  and  the 
AD7574  will  begin  operating  in  the  ROM  mode  (see 
Figure  7). 
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Figure  7.  Chip  Select  to  Read  Timing 

When  RD  returns  high  the  AD7574  begins  an  internal 
reset  cycle  to  prepare  for  the  next  conversion  se- 
quence. If  CS  has  not  returned  high  before  the  end  of 
this  reset  operation,  a  conversion  start  will  be  detected 
and  a  new  conversion  initiated. 

The  duration  of  the  internal  reset  cycle  is  dependent  on 
the  amount  of  capacitance  on  the  clock  pin  (pin  17). 
The  maximum  value  for  tRHcs  guaranteed  is  250ns  at 
25°C  (see  data  sheet). 

3.  Conversion  data  may  only  be  read  from  the  AD7574 
once,  as  after  each  read  operation  an  internal  reset  is 
performed  which  destroys  the  data. 

4.  CS  LOW  has  no  effect  while  a  conversion  is  in 
progress. 

5.  RDhasnoeffectwhileCSisHIGH. 

Typical  RAM  Mode  interface  circuits  for  the  8085  and  6800 
are  shown  in  Figures  8  and  9  respectively. 
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Figure  8.  AD7574  to  8085 RAM  Mode  Interface 
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Figure  9.  AD7574to6800 

SLOW  MEMORY  MODE 

This  is  by  far  the  most  elegant  mode  of  operation  for  the 
AD7574.  Every  read  instruction  produces  fresh  data  so 
that  there  is  no  doubt  about  the  age  of  the  sample. 

Basic  Operation 

The  slow  memory  mode  is  intended  for  use  with  proces- 
sors which  can  be  forced  into  a  wait  state  for  at  least  1 5p.s 
(such  as  the  8080,  8085  and  SC/MP).  It  allows  the  proces- 
sor to  start  a  conversion,  wait  until  the  BUSY  flag  is  HIGH 
and  then  read  data,  all  during  execution  of  a  single  mem- 
ory read  instruction  (see  Figure  10). 
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Figure  10. 

Wait  State 

Many  processors  test  the  condition  of  the  READY/WAIT 
input  very  soon  after  the  start  of  an  instruction  cycle.  For 
this  reason  the  timing  of  the  AD7574  and  its  associated 
address  decode  logic  must  be  such  that  BUSY  goes  LOW 
early  enough  in  the  processor  instruction  cycle  for  the 
READY/WAIT  input  to  be  effective  in  forcing  the  processor 
into  a  WAIT  State. 

Bus  Conflict 

In  applications  where  the  processors  memory  READ/ 
— al  is  not  available  early  enough  in  the  machine 


cycle  for  it  to  be  used  to  enable  or  disable  the  address  de- 
code logic,  the  system  software  must  be  such  that  a 
WRITE  operation  to  the  AD7574  address  is  never  attempt- 
ed. If  this  precaution  is  not  taken,  Bus  Conflicts  will  occur 
due  to  the  AD7574  outputting  data  onto  the  data  bus  while 
the  CPU  is  also  driving  the  data  bus. 

Typical  slow  memory  mode  interface  circuits  for  8085  and 
SC/MP  microprocessors  are  shown  in  Figures  1 1  and  12. 

8085  Interface  (Figure  11) 

For  simplicity,  only  the  upper  8  address  bits  of  the  8085 
address  bus  are  decoded  to  select  the  AD7574.  Invalid  ad- 
dress states  are  eliminated  by  using  ALE  to  drive  an  ad- 
dress latch. 

The  processor  SO  status  signal  provides  the  earliest  pos- 
sible indication  that  a  READ  operation  is  about  to  occur, 
SO  =  0  for  a  READ  operation.  Since,  with  the  processor 
on  a  fast  clock  the  READ  signal  could  occur  too  late  to  ena- 
ble the  address  decode  logic,  the  SO  signal  is  a  conve- 
nient alternative,  elminating  any  possibility  of  a  bus  con- 
flict during  WRITE  operations. 
SC/MP  Interface  (Figure  12) 

Similar  to  the  8085  application.  Address  decode  is  gated 
with  negative  READ  strobe  and  BUSY  drives  the  SC/MP 
negative  hold  input. 


Figure  ft.  AD7574  to  8085  Slow  Memory 
Mode  Interface 
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Figure  12.  AD7574to 
Mode  Interface 


RANGE  SWITCHING  APPLICATIONS 

By  means  of  suitable  switching  on  the  AD7574  B0r-s  and 
Vref  pins,  the  AD7574  can  be  made  to  operate  with  a 
range  of  different  attenuation  or  gain  factors.  The  B0fs  or 
bipolar  offset  input  (pin  3)  is  used  to  modify  the  effective 
analog  input  voltage  and  is  normally  used  to  obtain  bipo- 
lar operation.  Figure  13  shows  a  simple,  3  range,  switch- 
ing arrangement  for  a  0-20V  analog  input  signal.  The  full 


scale  input  ranges  and  LSB  weights  are  given  in  " 
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Figure  13.  Range  Switching 


Full  Scale 

LSB 

BOFS 

vREF 

Input  Range 

Weight 

To  A|N 

-5V 

OVto  +5V 

19mV 

ToAin 

-10V 

OVto  +10V 

39mV 

ToGND 

-10V 

OVto  +20V 

78mV 

ToGND 

 I 

-5V 

I  I 

OVto  +  10V 

39mV 

Table!.  AD7574 Input Ranges 

The  range  switching  can  easily  be  controlled  by  the 
processor  using  analog  switches  such  as  the  AD7592 
which  contains  2  independent  SPDT  CMOS  switches  with 
data  latches  specifically  designed  for  microprocessor 
interface. 

Figure  14  shows  a  typical  range  switching  applications 
circuit  with  the  AD7574  operating  in  the  the  slow-memory 
mode.  Since  bus  conflicts  have  been  eliminated,  a  WRITE 
to  the  AD7574  address  selects  the  analog  input  voltage 
range  (see  Table  II)  and  a  READ  from  the  AD7574  address 
initiates  a  conversion  and  reads  data  when  the  conversion 
is  complete. 

The  range  selection  code  is  latched  by  the  AD7592  and  so 
need  only  be  considered  when  a  change  in  analog  input 
range  is  required. 
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Figure  14.  AD7S74/8085 Interface  with  Range  Switching 


D1 


DO 


Analog  Input 
Range  


OVto  +  10V 
OVto  +5V 
OVto  +20V 
OVto  +  10V 


Table  II.  Analog  Input  Range  vs.  Digital  Code  to  AD7592 
for  Figure  14 


Note:  If  it  is  required  to  use  this  approach  in  a  system 
where  the  WRITE  operation  bus  conflict  cannot  be  elimi- 
nated due  to  timing  difficulties,  then  by  decoding  a  sepa- 
rate address  for  the  AD7574  and  the  AD7592  the  need  for 
a  WRITE  operation  to  the  AD7574  address  can  be  avoided. 

INPUT  MULTIPLEXING  APPLICATIONS 

This  application  uses  the  same  principles  as  the  range 
switching  application.  The  analog  switching  devices  have 
been  changed  to  AD7590s  to  reduce  the  package  count. 
The  AD7590  consists  of  four  independent  SPST  CMOS 
analog  switches  with  on  chip  data  latches  (see  Figure  1 5). 

Using  two  AD7590  devices  and  connecting  the  data  bus 
directly  to  the  AD7590  control  inputs,  8  analog  input  chan- 
nels can  be  multiplexed.  The  software  design  must  en- 
sure that  only  one  channel  is  selected  at  a  time.  Errors 
introduced  by  the  analog  switch  resistance  are  not  signifi- 
cant but  can  be  eliminated  by  buffering  the  AD7574  B0fs 
and  A|N  inputs. 
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Figure  15.  AD7574/8085 Interface  with  Input  Multiplexing 
of  8 Analog  Inputs 

A  WRITE  to  the  AD7574  address  selects  an  input  channel 
and  latches  it.  A  READ  from  the  AD7574  address  initiates 
a  conversion  and  reads  data  when  the  conversion  is 
complete. 

INTERNAL  CLOCK  OPERATION 

Figure  16  shows  a  simplified  equivalent  circuit  for 
the  AD7574  internal  clock.  It  operates  only  during  conver- 
sion and  reset  operations,  pulses  are  generated  by  the  ac- 
tion of  C  charging  through  R,  and  discharging  through 
switch  1. 
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Figure  16.  Simplified  AD7574  Internal  Clock  Circuit 

A  clock  speedup  circuit  shortens  the  last  clock  space 
period  in  each  conversion  cycle  to  reduce  overall  conver- 
sion time.  Figure  17  shows  a  RAM  mode  timing  sequence 
using  the  internal  clock;  other  modes  have  similar  ti 
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Figure  17.  RAM  Mode  Timing  Sequence 

Typical  values  for  internal  clock  timing  components  can 
be  determined  from  the  graph  in  the  AD7574  data  sheet 
(Figure  7a). 

EXTERNAL  CLOCK  INFORMATION 

To  obtain  dynamic  conversion  accurcy  to  rated  specifica- 
tion the  clock  frequency  must  not  exceed  500kHz.  The 
user  should  understand  that  normal  lotto  lot  variations  in 
MOS  transistor  characteristics  will  cause  lot  to  lot  differ- 
ences in  the  internal  clock  oscillator  frequency  for  a  given 
clock  R  and  C. 

Additionally,  temperature  dependence  of  these  MOS 
characteristics  results  in  thermal  drift  of  internal  clock 
frequency.  For  this  reason,  Analog  Devices  recommends 
using  an  external  clock  in  the  following  situations: 

t  Applications  having  clock  frequency  within  10%  of  the 
500kHz  maximum. 

2.  Applications  where  software  constraints  on  time  can- 
not accommodate  conversion  time  differences  which 
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Figure  18.  External  Clock  Connection 

may  occur  due  to  temperature  drift  of  the  internal 
clock. 

Conflicts  between  the  external  clock  and  the  internal 
speedup  and  reset  operations  can  be  avoided  by  connect- 
ing the  external  clock  using  the  arrangement  shown  in 
Figure  18.  The  three-state  buffer  is  only  enabled  when  the 
BUSY  output  is  LOW.  This  ensures  that  the  AD7574  uses 
the  external  clock  only  during  the  A/D  conversion  period, 
i.e.,  while  BUSY  is  LOW.  Internal  clock  operation  is  then 
used  with  RP  and  internal  capacitance  to  give  the  single 
clock  pulse  required  forthe  internal  reset. 

Since  the  internal  logic  of  the  AD7574  is  triggered  on  fal- 
ling clock  edges,  conversion  time  is  reduced  if  the  clock 
input  is  at  a  HIGH  level  before  a  conversion  starts.  This  is 
accomplished  by  using  resistor  Rp  to  pull  up  the  device 
clock  input  after  the  internal  reset  operation.  Rp  can  be  in 
the  range  6kfi  to  1 0Okfi  and  simply  provides  a  charge  path 
forthe  CLK  pin  capacitance. 
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PPLICATION  NOTE 

02062-9106  •  617/329-4700 


AD7672  Converter  Delivers  12-Bit 
200  kHz  Sampling  Systems 

by  John  Reidy 


The  AD7672  is  a  low  power  12-bit  analog  to  digital  con- 
verter manufactured  on  Analog  Devices'  LC2MOS  pro- 
cess. Its  fast  conversion  time  of  3  ^s  and  microprocessor 
interfacing  capabilities  make  it  popular  in  DSP  applica- 
tions. Sampling  rates  of  over  200  kHz  are  easily  achieved 
by  combining  the  AD7672  with  a  suitable  sample-and- 
hold  amplifier  (SHA).  However,  the  choice  of  SHA  and 
other  analog  conditioning  circuitry  is  critical  in  achieving 
12-bit  performance  over  the  full  0  to  FS/2  analog  band- 
width. Any  distortion  or  noise  generated  in  the  analog 
circuitry  will  ripple  through  to  the  digital  domain, 
degrading  system  performance. 

This  application  note  discusses  the  noise  and  distortion 
levels  acceptable  for  12-bit  performance  and  details  a 
SHA  and  antialiasing  filter  suitable  for  up  to  200  kHz 
sampling  rates. 

AD7672  NOISE  MODEL 

All  analog  i 

figure  of  merit  for  noise 


SNR  = 


ratio  (SNR).  The  numerical  expression  is: 


jpted  by  noise.  An  accepted 
'formance 


20  log  {VsigIVn)  ■ 
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where:  VslG  -  rms  value  of  the  signal 

VN  =  rms  value  of  the  noise  plus  distortion. 
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Figure  1.  AD7672  Noise  Model 

A  simplified  noise  model  for  the  AD7672  is  shown  in 
Figure  1.  The  model  consists  of  an  ideal  quantizer  and 
two  noise  sources,  one  for  quantization  noise  and  the 
other  for  nonlinearity  or  accuracy  errors.  Another  source 
of  noise  for  ADCs  is  code  transition  noise.  The  AD7672 
code  transition  noise  is  less  than  0.2  LSBs  pk-to-pk  and 
is  ignored  in  this  application  note. 


Quantization  noise  is  random  and  can  be  quantified  for 
any  N-bit  ADC  as  that  noise  which  will  yield  a  signal  to 
noise  ratio  of  6.02N  +  1.76  dB  in  the  0  to  FS/2  bandwidth. 
For  an  ideal  12-bit  converter  the  SNR  is  74  dB. 


Linearity  errors  for 


:atically  tested  ADC,  like  the 
AD7672,  are  quantified  by  either  integral  nonlinearity 
(INL)  or  differential  nonlinearity  (DNL).  The  AD7672  L,  C, 
U  grades  are  guaranteed  to  have  less  than  0.5  LSBs  of 
INL  and  less  than  0.9  LSBs  of  DNL.  If  these  errors  are 
modelled  as  random  noise,  then  the  theoretical  SNR  will 
degrade  by  3  dB  down  to  71  dB.  Such  a  model  is  incor- 
rect for  two  reasons.  Firstly,  the  error  pattern  for  a  suc- 
cessive approximation  ADC  does  not  follow  a  white 
noise  pattern.  There  is  not  an  equal  probability  of  the 
error  for  any  given  code  being  between  0  and  0.5  LSBs. 
The  error  pattern  is  much  closer  to  a  normal  distribution 
where  the  probability  of  a  zero  error  is  much  higher  than 
that  of  a  0.5  LSB  error.  Secondly,  linearity  errors  follow  a 
fixed  pattern,  i.e.,  the  error  associated  with  any  code 
remains  fixed.  For  the  AD7672,  the  errors  tend  to  repeat 
themselves  within  the  transfer  function  of  the  ADC,  and 
furthermore  the  errors  will  repeat  when  multiple  cycles 
of  a  sinusoidal  input  are  digitized.  This  repeatability 
means  that  the  ADC  nonlinearity  generates  harmonics  of 
the  input  frequency  rather  than  white  noise. 

Figure  2  shows  a  typical  integral  nonlinearity  plot  for  the 
AD7672.  Examination  of  the  plot  shows  an  error  pattern 
repeating  itself  every  512  codes  or  8  times  in  the  overall 
transfer  function.  The  maximum  INL  error  in  this  case  is 
0.25  LSBs. 
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Figure  2.  Typical  AD7672  Integral  Nonlinearity  Plot 
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Figure  3a.  Simulated  AD7672  Nonlinearity  Plot 
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Figure  3b.  FFT  Plot  Using  a  Simulated  ADC 

The  effect  of  these  INL  errors  on  ac  performance  can  be 
determined  by  applying  a  single  tone  sinusoidal  signal 
via  a  SHA  to  the  input  of  the  ADC  and  performing  a  fast 
Fourier  transform  (FFT)  on  the  conversion  results.  For  a 
controlled  analysis,  this  task  is  best  done  on  a  computer 
using  a  software  simulation  of  the  ADC.  With  a  software 
simulation,  all  error  sources  can  be  regulated  so  that  the 
SHA  and  purity  of  the  input  signal  can  be  made  ideal. 
Figure  3a  shows  the  INL  error  profile  of  a  simulated 
AD7672.  The  maximum  INL  error  has  been  increased 
from  the  measured  value  of  0.25  LSBs  to  0.5  LSBs 
reflecting  a  worst  case  for  the  L,  C  and  U  grades.  Figure 
3b  shows  a  corresponding  FFT  plot;  the  SNR  calculated 
from  the  plot  is  72.5  dB,  a  degradation  of  1 .5  dB  from  the 
ideal  case  of  74  dB.  In  other  words,  the  degradation  in 
SNR  due  to  INL  errors  is  1.5  dBs. 

The  AD7672  is  modelled  as  having  two  predominant 
noise  sources  which  add  in  an  rms  fashion  as  shown 
below: 


cadc  -  («q  +  eD  ]   

where:  eADC  =  total  ADC  rms  noise 
eQ     =  quantization  noise 
eD     =  noise  due  to  nonlinearity. 

For  an  ideal  12-bit  ADC  without  errors: 

SNR  =  20  log  \AleQ)  =  74  dB 

where:  A  =  ADC  full-scale  input  range. 


(2) 


For  the  purpose  of  analysis  assume  the  full-scale  input 
range  (A)  is  1  V  rms,  then  eQ  can  be  calculated  as 
follows: 


eQ 


log\  -  74/20)  =  199  (iV  . 


(3) 


Similarly,  for  the  AD7672  with  an  SNR  of  72.5  dB,  eADC 
can  be  calculated  to  be  237  p.V.  Finally,  eD  can  be  calcu- 
lated from  Equation  2  to  be  128  (iV.  Note,  these  figures 
have  to  be  scaled  according  to  the  input  range  of  the 
ADC,  e.g.,  for  the  ±5  V  input  range  of  the  AD7672  the 
rms  full-scale  value  is  5x0.7071  and  the  corresponding 
noise  sources  are  eD=  453  (i.V  and  eQ  =  704  jjlV. 

Any  additional  noise  in  the  external  analog  circuitry  will 
add  in  an  rms  fashion  to  the  ADC  noise.  Assuming  a  full 
scale  range  of  1  V,  the  following  expression  gives  the 
overall  SNR  performance: 

SNR  p  20  log  \l{eADC2  +  eEXT2)m 

where:  eA 

eEXT  : 

A  corresponding  expression  for  any  degradation,  D,  in 
SNR  performance  may  be  found  by  subtracting  the  over- 
all SNR  from  the  ADC  SNR; 

D  =  20  log  [VeADC]  -  2Qlog[V(eADc1  +  eEXT2)m'] 

=  10  log  [1  +  eEXT2/eADC2] 

A  plot  showing  the  degradation  in  SNR  performance 
from  72.5  dBs  due  to  noise  plus  distortion  in  the  external 
analog  circuitry  is  shown  in  Figure  4.  Taking  an  example 
from  the  graph,  if  the  overall  SNR  is  to  be  kept  to 
71.5  dBs  (an  SNR  degradation  of  1  dB),  any  external  ADC 
noise  plus  distortion  must  be  kept  to  within  78  dBs  rela- 
tive to  ADC  full  scale. 


XDC  =  quantization  plus  nonlinearity  noise 
external  noise. 


(3  2 


-60  -  70  -80  -  90  -100  -11 

NOISE  PLUS  DISTORTION  -  dBs 

Figure  4.  SNR  Degradation  Due  to  External  Noise 
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SAMPLE-AND-HOLD  AMPLIFIER  SELECTION 

One  of  the  first  considerations  when  selecting  a  sample- 
and-hold  amplifier  is  to  ensure  that  the  acquisition  time 
satisfies  the  throughput  rate  required.  The  minimum 
conversion  time  of  the  AD7672  is  3  lis  and  allowing,  say, 
2  lis  for  the  SHA  acquisition  time  and  other  overheads 
gives  a  minimum  repetition  rate  of  5  lls  or  a  maximum 
sampling  frequency  of  200  kHz.  The  corresponding  ana- 
log bandwidth  is  100  kHz.  However,  100  kHz  bandwidth 
to  12-bit  performance  is  beyond  the  reach  of  present  low 
cost  monolithic  SHAs  and  requires  more  expensive 
hybrid  devices. 

From  Figure  4  the  total  noise  plus  distortion  must  be 
more  than  78  dBs  below  the  fundamental  to  maintain  an 
overall  SNR  of  71 .5  dBs.  In  general  the  noise  floor  for  all 
SHAs  will  be  good  enough,  but  the  limiting  factor  for 
monolithic  SHAs  is  third  harmonic  distortion  due  to  slew 
rate  limiting.  Examples  of  monolithic  SHAs  are  the 
AD585  and  the  AD684  from  Analog  Devices.  The  AD585 
exhibits  12-bit  performance  up  to  a  frequency  of  35  kHz 
while  the  AD684  is  good  enough  for  a  40  kHz  bandwidth. 
The  AD684  and  AD7672  are  an  ideal  combination  for 
multiplexed  systems.  The  AD684  has  four  SHAs  in  one 
package  each  with  an  acquisition  time  of  1  lls  per  chan- 
nel. When  used  with  the  AD7672  the  maximum  through- 
put rate  per  channel  is  in  the  region  of  70  kHz.. 

Hybrid  SHAs  are  needed  for  systems  requiring  12-bit 
performance  beyond  40  kHz  signal  bandwidth.  Exam- 
ples of  suitable  devices  are  the  AD346  and  the  HTC0300, 
available  from  Analog  Devices.  An  alternative,  more  cost 
effective,  solution  is  to  use  a  discrete  SHA  as  discussed 
in  the  next  section. 

DISCRETE  SHA  DESIGN  EXAMPLE 

Figure  5  shows  a  simplified  block  diagram  of  a  discrete 
SHA.  The  integrated  circuits  used  in  the  design  are  an 
AD845  op  amp  from  Analog  Devices  and  an  SD5000 
quad  DMOS  switch  from  Topaz. 


In  the  track  mode,  switches  SW2  and  SW4  are  closed 
while  SW1  and  SW3  are  open.  The  amplifier  is  in  the 
standard  unity  gain  inverting  configuration  and  charges 
the  capacitor,  CI,  to  the  negative  value  of  the  input 
voltage.  In  the  hold  mode,  the  switch  settings  are 
reversed,  placing  C1  across  the  output  and  the  input 
inverting  terminal  of  the  op  amp  and  holding  the  output 
voltage  to  the  charge( 


•  on  the  caPacitor- 


CLOSED  DURING  TRACK  MODE 


-  SWITCH  OPEN  DURING  TRACK  MODE 


Figure  5.  Discrete  SHA 


SWITCH  CLOSED  DURING  TRACK  MODE 
SWITCH  OPEN  DURING  TRACK  MODE 
SOURCE.  D  -  DRAIN 


Figure  6.  Detailed  SHA  Diagram  with  Additional 
Switches  for  Charge  Injection  and  Feedthrough 
Compensation 

The  droop  rate  in  the  hold  mode  depends  on  the  capac- 
itor leakage,  the  op  amp  inverting  terminal  bias  current 
and  the  combined  leakage  of  switches:  SW2,  SW3  and 
SW4.  It  is  important  that  a  high  quality  capacitor  is  used 
such  as  polystyrene.  A  JFET  input  op  amp  such  as  the 
AD845  ensures  that  any  leakage  due  to  bias  current  is  a 
minimum.  Considerable  improvement  in  droop  rate  and 
pedestal  error  can  be  obtained  at  the  expense  of  a  few 
additional  switches  as  shown  in  Figure  6.  Pedestal  error 
is  a  dc  offset  between  the  track  and  hold  mode.  The  dc 
offset  is  caused  by  switching  transients  which  inject 
charge  into  the  hold  capacitor.  One  method  of  minimiz- 
ing pedestal  error  is  to  have  equal  switching  transients 
at  both  inputs  of  the  op  amp  and  to  rely  on  a  good 
common  mode  rejection  ratio  (CMRR)  to  cancel  the  tran- 
sients. In  Figure  6,  SW6,  SW7  and  SW8  have  been  added 
to  the  noninverting  input  of  the  op  amp  to  balance  the 
switching  effects  of  SW2,  SW3  and  SW4.  The  SD5000 
switches  contain  four  switches  per  package.  To  make  full 
use  of  the  charge  cancelling,  corresponding  switches  on 
each  of  the  op  amp  input  terminals  should  come  from 
the  same  package,  i.e.,  SW2  and  SW6  should  come  from 
the  same  package  and  similarly  with  SW3  and  SW7  and 
with  SW4  and  SW8. 

A  switch  SW5  has  been  added  to  compensate  for  any 
feedthrough  that  may  occur  from  the  analog  input  while 
the  SHA  is  in  the  hold  mode.  Again  this  compensation 
relies  on  common  mode  signals  cancelling  each  other 
out.  Finally  a  100  pF  capacitor  C3  has  been  added  to 
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speed  up  track  to  hold  settling  time.  This  capacitor  intro- 
duces a  pole  in  the  overall  transfer  function  so  a  corre- 
sponding zero  has  been  included  by  adding  capacitor 
C4. 

One  of  the  key  benefits  of  this  design  is  that  all  the 
switch  analog  terminals  are  at  either  true  ground  or 
virtual  ground.  As  the  switches  only  conduct  near  zero 
voltage  level  signals  they  do  not  need  a  large  drive 
voltage  on  the  digital  control  inputs.  HCMOS  logic  or 
equivalent  provides  adequate  voltage  levels  as  shown  in 
Figure  7.  Note,  all  switch  substrates  (backgates)  must  be 
tied  to  analog  ground. 


S/H 


Figure  7.  HCMOS  Logic  Drives  SHA's  SD5000  Switches 


DATA  ACQUISITION  CIRCUIT 

Figure  8  shows  a  data  acquisition  circuit  designed  for  a 
200  kHz  sampling  frequency.  The  sample  and  hold 
shown  in  block  diagram  form  can  be  either  an  AD346, 
AD781  or  the  discrete  version  shown  in  Figure  6.  A 
voltage  reference  (AD588)  provides  the  appropriate  bias- 
ing for  an  analog  input  range  of  ±5  V.  The  data  bus 
outputs  are  buffered  with  74HC374  latches.  These  pro- 
vide data  bus  isolation  while  improving  the  data  access 
time.  Data  access  time  is  under  30  ns  allowing  interfac- 
ing to  most  microprocessors.  Data  format  can  either  be 
a  complete  parallel  load  for  16-bit  processors  or  a  two 
byte  load  for  8-bit  processors. 

Bus  activity  on  the  AD7672  CS  and  RD  inputs  during 
conversion  can  feed  through  to  the  comparator  and 
cause  LSB  errors.  Ideally,  these  should  be  inactive  dur- 
ing conversion.  One  way  of  achieving  this  is  to  force 
them  into  an  inactive  state  by  gating  them  with  BUSY  as 
shown  in  Figure  8.  R2  and  C3  are  included  to  provide  a 
delay  of  approximately  100  ns.  This  compensates  for  the 
data  setup  time  after  BUSY  goes  high,  ensuring  valid 
data  gets  loaded  into  the  74HC374  latches. 
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Figure  8.  AD7672  Data  Acquisition  Circuit 
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TESTING  SYSTEM  PERFORMANCE 

To  test  the  performance  of  Figure  8  a  pure  tone  sinusoi- 
dal waveform  was  applied  at  the  input  and  an  FFT  was 
performed  on  2k  samples.  The  procedure  was  repeated 
for  multiple  frequencies  for  both  the  AD346  and  the 
discrete  SHA  of  Figure  6.  The  AD346  requires  an  acqui- 
sition time  of  2  jis,  combined  with  the  ADC  conversion 
time  of  3  m-S  and  allowing  500  ns  for  other  overheads, 
gives  a  maximum  sampling  rate  of  180  kHz.  With  the 
discrete  SHA,  the  system  can  be  run  up  to  200  kHz  sam- 
pling rate.  The  results  are  shown  in  Figures  9  to  12.  As 
can  be  seen  from  the  plots,  the  system  SNR  perfor- 
mance is  above  71  dB  for  both  SHAs. 

Jia-S;  bio  ■  tkm ennebiwuxi         ■  api 

NOTE  ON  THE  FAST  FOURIER  TRANSFORM 

Fast  Fourier  transforms  are  widely  recognised  as  a  very 
useful  tool  when  evaluating  sampling  systems.  An  FFT 
provides  a  means  of  plotting  the  spectral  content  of  a 
sample  of  digital  data;  examples  are  shown  in  Figures  9 
and  11.  Two  important  considerations  when  examining 
FFT  plots  are  the  frequency  and  amplitude  resolutions  of 

Frequency  resolution  of  an  FFT  is  equal  to  the  sampling 
frequency  divided  by  the  number  of  points  in  the  FFT.  In 
the  example  of  Figure  9,  the  frequency  resolution  is 
204.8  kHz/2048  =  100  Hz.  This  figure  of  100  Hz  is  akin  to 
resolution  bandwidth  for  spectrum  analyzers.  Every  dou- 
bling of  the  FFT  length  will  spread  the  noise  floor  over 
twice  as  many  bins  and  reduce  the  noise  floor  by  3  dB. 
However,  any  harmonics  which  are  present  in  the  ana- 
log domain  or  are  generated  by  the  ADC  will  remain 
constant  regardless  of  the  FFT  length.  This  includes  low 
level  harmonics  which  have  a  smaller  magnitude  than 
the  dynamic  range  of  the  ADC.  This  may  seem  contra- 
dictory if  we  consider  the  smallest  signal  a  12-bit  A/D 
converter  can  digitize  is  -72  dB  relative  to  full  scale. 
However,  this  is  only  true  for  a  small  signal  on  its  own. 
In  the  presence  of  a  larger  signal,  the  small  signal  will 
as  a  dther  around  the  A/D  converter's  transition 
nts  and  will  appear  in  the  frequency  spectrum  of  an 


I 


FS  =  204.8kHz 
FIN  =  54.1kHz 
SNR  =  71ldB 


FFT  as  long  as  its  magnitude  is  greater  than  the  noise 
floor.  The  average  noise  floor  level  for  a  2k  FFT,  com- 
puted from  12-bit  data,  can  be  obtained  in  the  following 
manner: 

From  Equation  3 


RMS  noise  for  an  ideal  12-bit  converter  =  199  ^V. 

If  we  assume  this  noise  is  spread  evenly  across  1024 
points  between  0  and  FS/2 

Then  the  average  noise  floor  =  199  nV/(1024)"2 

=  6.21  |iV 

Average  noise  =  : 

The  FFT  noise  floor  tends  to  be  Gaussian  distributed,  so 
the  worst  case  is  expected  to  show  a  power  of  10  or 
11  dB  higher  than  the  average  bin. 

So,  any  harmonic  or  spurious  noise  greater  than  93  dB 
will  be  discernible  for  a  12-bit  converter  and  a  2048  point 
FFT. 
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Figure  10.  Discrete  SHA  Harmonic  Amplitudes  and  SNR 
Performance  Versus  Frequency 
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Figure  9.  FFT  Plot  Using  the  Discrete  SHA,  Input 
Frequency  Is  54  kHz 


Figure  11.  FFT  Plot  Using  the  AD346  SHA,  Input 
Frequency  Is  45  kHz 
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Figure  12.  AD346  SHA  Harmonic  Amplitudes  and  SNR 
Performance  Versus  Frequency 

ANTIALIASING  FILTER 

The  purpose  of  an  antialiasing  filter  is  to  attenuate  any 
noise  or  spurious  signals  outside  the  analog  bandwidth. 
Two  important  parameters  in  any  filter  design  are  stop- 
band  attenuation  and  the  slope  of  the  roll-off  in  the 
transition  band.  Restrictions  on  both  of  these  param- 
eters are  eased  by  oversampling.  An  oversampled  sys- 
tem is  where  the  Nyquist  limit  FS/2  is  greater  than  the 
analog  bandwidth.  Figure  13  shows  the  filter  attenuation 
profile  for  an  oversampled  system. 


FIN      FS/2   FS  -  FIN 


Figure  13.  Antialiasing  Filter  Attenuation  Profile 


The  filter  roll-off  is  determined  by  drawing  a  straight  line 
from  the  upper  limit  of  the  analog  bandwidth,  FIN,  to  the 
stopband  attenuation  frequency,  FS-FIN.  The  difference 
between  the  filter  cutoff  and  the  stopband  frequencies  is 
FS  -2FIN.  For  example,  if  an  antialiasing  filter  requires 
one  frequency  octave  to  roll  off,  then  the  sampling  ratio 
(FS/FIN)  must  be  3  to  1. 

Any  residue  from  the  filter  output,  after  attenuation,  will 
add  in  an  rms  fashion  to  the  digital  domain  noise  floor, 
degrading  system  performance  as  shown  in  Figure  4. 
Oversampling,  beyond  the  Nyquist  rate,  spreads  the 
noise  floor  over  a  wider  bandwidth.  This  is  readily 
explained  by  considering  that  the  SNR  figure  for  a  12-bit 
ADC  is  74  dBs  over  the  0  to  FS/2  bandwidth  regardless  of 
the  sampling  rate.  Increasing  the  sampling  rate 
increases  the  FS/2  bandwidth  and  therefore  must  reduce 
the  noise  floor  level  to  preserve  the  74  dBs  SNR  figure. 
The  decrease  in  total  rms  noise  for  a  given  bandwidth, 
FIN,  is  given  by  10  log(FS/2FIN).  A  plot  showing  the 
decrease  in  noise  versus  sampling  ratio  is  shown  in 
Figure  14.  A  lower  noise  floor  means  that  more  external 
noise  can  be  tolerated  for  a  given  system  performance. 
As  an  example  consider  the  circuit  of  Figure  8  with  a 
sampling  rate  of  200  kHz.  For  an  analog  bandwidth  of 
75  kHz,  the  sampling  ratio  is  2.66  and  the  total  rms  noise 
reduction  is  1 .25  dB.  Correspondingly,  the  SNR  over  the 
75  kHz  bandwidth  improves  by  1.25  dB  because  of  the 
oversampling. 


Figure  14.  Total  Noise  Reduction  Versus  Sampling  Ratio 
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DESIGN  EXAMPLE 

Unlike  a  SHA  design  which  can  be  optimized  for  a  given 
ADC,  the  filter  design  depends  on  the  signal  SNR  and 
required  phase  characteristics.  Applications  requiring 
linear  phase  may  use  a  Butterworth  filter  and  pay  the 
price  of  a  higher  order,  more  complicated  design,  or  a 
higher  sampling  ratio  because  of  the  relatively  poor  roll- 
off  in  the  transition  band.  Where  phase  is  not  important 
or  where  phase  can  be  compensated  in  software  then  a 
more  practical  filter  design  is  an  elliptic.  An  elliptic  low- 
pass  filter  contains  both  poles  and  zeros  giving  the 
steepest  roll-off  for  any  given  order  allowing  the  small- 
est sampling  ratio. 

Figure  15  shows  a  9th  order  elliptic  filter  design  for  the 
circuit  of  Figure  8.  The  cutoff  frequency  is  75  kHz  giving 
a  stopband  frequency  of  125  kHz  for  a  200  kHz  sampling 
rate.  The  designed  stopband  attenuation  is  100  dB  and  a 


0.1  dB  ripple  in  the  passband.  The  actual  frequency 
response  can  be  seen  in  the  spectrum  analyzer  photo- 
graph of  Figure  16.  The  stopband  attenuation  level  is 
over  94  dBs  below  the  passband  level  at  a  spectrum 
analyzer  resolution  bandwidth  of  10  Hz. 

The  filter  design  uses  passive  components  to  avoid  poor 
noise  performance  arising  from  cascaded  op  amp 
stages.  A  figure  of  merit  for  inductors  is  the  ratio  of  the 
reactance  to  the  series  resistance  or  Q. 

Q  =  WL/R 

All  inductors  used  in  the  filter  construction  had  a  Q 
of  greater  than  75  at  75  kHz.  All  capacitors  used  were 
polystyrene. 
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Figure  15.  Ninth  Order  Elliptic  Low  Pass  Filter 
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Using  Multiple  AD 1334s 
in  Many-Channel  Synchronous  Sampling  Applications 


INTRODUCTION 

The  development  of  fast,  inexpensive  DSP  micropro- 
cessors has  made  practical  new  approaches  to  signal 
processing.  These  applications  typically  involve  the 
real-time  processing  of  data  derived  from  many 
simultaneously-sampled  channels.  One  example  is 
phased-array  sonar,  in  which  the  many  digitized  sensor 
outputs  may  be  transformed,  filtered,  and  correlated  to 
perform  beamforming  or  imaging. 

A  fundamental  requirement  in  dynamic  multichannel 
applications  is  to  maintain  phase  coherency  across  all 
input  channels.  The  tight  group-delay  specifications  of 
the  AD1334's  four  input  SHAs  simplify  error-budget  cal- 
culations in  simultaneous-sampling  applications.  The 
addition  of  an  expandable  control  function  and  a  data 
FIFO  makes  the  AD1334  uniquely  suited  to  acquire  and 
buffer  the  large  amounts  of  data  required  to  support 
these  modern  signal  processing  techniques. 

This  note  details  the  AD1334's  control  structure  and 
shows  how  its  features  can  be  used  to  implement  a 
low-overhead  software  control  scheme  for  any  number 
of  parallel  devices  operating  in  synchrony. 


by  Stephan  Goldstein 


Figure  1.  Simplified  Schematic  of  the  AD1334  Enable/ 
Disable  Controller 


Controller  Operation 

The  AD1334  can  be  enabled  and  disabled  under  soft- 
ware or  hardware  control.  The  CONTROL  ENB  pin  (Pin 
32)  is  connected  to  the  output  of  an  n-channel  open- 
drain  inverter  and  to  the  D  input  of  a  flip-flop  as  shown 
in  Figure  1.  This  pin  requires  an  external  pull-up  resistor 
to  VDD.  The  inverter's  input  is  driven  by  control  register 
Bit  7.  A  logical  "1"  will  appear  at  the  CONTROL  ENB  pin 
when  Bit  7  is  a  "0"  and  conversions  will  be  disabled.  Bit 
7  is  set  to  0  by  pulling  RST  low  (hard  reset)  or  by  writing 
a  0  to  the  control  register  via  the  data  bus  (soft  reset).  A 
soft  reset  does  nor  affect  data  in  the  AD1334's  FIFO.  A 
hard  reset  destroys  all  FIFO  data  and  clears  all  control 
register  oits. 


The  two  types  of  resets  have  similar  effects, 
will: 

•  Place  all  four  SHAs  into  Track  mode, 

•  Lock  out  all  four  SAMPLE  inputs, 

•  Set  READY  to  1, 

•  Halt  an  in-process  A/D  conversion,  and 

•  Clear  any  pending  conversions. 

Hard  and  soft  resets  differ  in  their  immediacy.  A  hard 
is  asynchronous  and  begins  as  soon  as  the  RST  pin 
s  pulled  low.  Soft  resets  are  synchronized  by  the  clock 
so  there  is  a  delay  of  1-2  clock  periods,  depending  upon 
the  timing  of  CONTROL  ENB  relative  to  the  clock  before 
a  soft  reset  takes  effect.  An  A/D  conversion  begun  prior 
to  a  hard  reset  is  terminated  immediately  by  that  reset.  A 
conversion  started  before  a  soft  reset  terminates  when 
READY  goes  high. 

The  AD1334  remains  inactive  following  a  hard  reset  until 
it  is  enabled  by  forcing  CONTROL  ENB  low.  This  is  done 
by  writing  a  1  to  Bit  7  of  the  control  register  or  by  driving 
the  package  pin  to  a  logical  0.  Only  open-drain  or  open- 
collector  gates  should  be  used  to  drive  the  CONTROL 
ENB  pin.  The  AD1334  may  be  damaged  if  this  pin  is 
driven  from  a  standard  totem-pole  output. 

An  uncertainty  of  one  clock  period  in  the  enable  and 
disable  timing  arises  because  the  state  of  CONTROL 
ENB  is  latched  by  the  rising  edge  of  the  2.5  MHz  clock. 
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The  CONTROL  ENB  setup  time  is  20  ns.  Violation  of  this 
requirement  may  delay  the  effects  of  the  soft  reset  or 
enable  by  one  clock  period.  The  uncertainty  is  elimi- 
nated when  transitions  of  CONTROL  ENB  are  synchro- 
nized by  the  clock's  falling  edge. 

Timing  for  enabling  and  disabling  the  AD1334's  control- 
ler appears  in  Figure  2. 
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Figure  2a.  Timing  Diagram  for  Resetting  Controller 
Using  RST  (CONTROL  ENB  =  0) 
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Figure  2b.  Timing  Diagram  for  Disabling  and  Enabling 
Controller  Using  CONTROL  ENB  (RST  =  1) 

Controlling  Multiple  AD  1334s 

Figure  3  shows  the  digital  signal  connections  for  a  sim- 
ple 16-channel  simultaneous  sampling  system  using 
four  AD1334s.  Each  device's  SIMULT  input  must  be 
grounded.  The  host  system's  reset  signal  drives  all  four 
RST  inputs.  The  16  SAMPLE  inputs,  4  per  device,  are 
driven  by  the  system's  sample  command.  These 
parallel-connected  inputs  represent  a  capacitive  load  in 
excess  of  80  pF,  and  an  appropriate  buffer  with  good 
drive  capability  is  required  to  maintain  edge  fidelity  and 
preserve  the  system's  aperture  delay  and  aperture  jitter 
performance.  All  parallel  data  outputs  are  connected  to 


the  system's  data  bus.  Each  AD1334  requires  unique 
address  decoding  for  programming  and  data  readback. 
The  four  CONTROL  ENB  pins  are  tied  together  and  share 
a  common  pull-up  resistor  to  VDD. 

Any  one  of  the  AD1334s  may  be  designated  as  the  mas- 
ter device;  the  remaining  devices  will  be  slaves.  In  the 
simplest  case  only  the  master's  IRQ  need  be  monitored 
because  all  four  devices  are  perfectly  synchronized  and 
always  contain  the  same  amount  of  data.  (When 
interrupt-on-overrange  operation  is  desired,  the  four  IRQ 
outputs  should  be  tied  together  and  pulled  up  to  VDD 
with  a  resistor.  After  every  interrupt  each  device  must 
then  be  polled  to  determine  if  the  interrupt  was  caused 
by  valid  data,  e.g.,  FIFO  half-full,  or  by  an  out-of-range 
result.  A  specific  overrange  channel  can  be  identified 
only  by  checking  each  FIFO  word  stored  in  the  interrupt- 
ing device.) 

The  AD1334s  must  first  be  initialized  using  a  hard  reset. 
This  will  reset  each  unit's  FIFO  controller,  clear  the  con- 
trol registers,  and  leave  the  devices  disabled  with  all 
SAMPLE  inputs  locked  out.  Next,  the  desired  operating 
mode(s)  should  be  written  to  the  slave  units.  All  slave 
devices  must  be  programmed  identically  (FIFO  enabled- 
/disabled,  interrupt  on  FIFO  full/half-full,  overrange 
enabled/disabledl.  Bit  7  must  be  set  to  0  when  program- 
ming the  slave  units.  Finally,  the  master  device  is  pro- 
grammed for  the  same  operating  conditions  as  the 
slaves,  but  with  its  Bit  7  set  to  1.  This  enables  all  four 
AD1334s  simultaneously,  with  each  device's  operation 
starting  from  the  same  state  and  with  all  units  perfectly 
synchronized.  All  sixteen  SHAs  will  enter  Hold  mode  on 
the  first  rising  edge  of  the  system  SAMPLE  input  after 
the  enable  sequence  is  completed.  This  scheme  can  be 
expanded  to  provide  any  number  of  simultaneously 
sampled  input  channels. 

System  interrupt  overhead  is  minimized  when  using  the 
FIFOs  in  each  AD1334.  A  single  interrupt  can  signal  the 
availability  of  either  64  or  128  data  words,  depending  on 
the  chosen  FIFO  interrupt  condition. 


Figure  3.  Digital  Signal  Connections  for  a  Simple 
W-Channel  Simultaneous  Sampling  Data  Acquisition 
System  Using  Four  AD1334s 
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Build  a  Single-Shot  Recorder  to  Catch  Fast  Transients 

by  Ken  Deevy,  Dan  Sheehan  and  Mike  Byrne 


Capturing  fast  transients  places  special  re- 
quirements on  filters,  track/hold  amplifiers, 
and  A/D  converters.  By  using  an  A/D 
converter  with  a  high  input  bandwidth  and  i< 
oversampling  at  a  10:1  ratio,  you  can  digi- 
tize and  then  analyze  transients  without 
using  an  expensive  analog  or  digital  storage 
scope. 


Don't  tie  up  expensive  equipment  trying  to  capture 
transients  that  occur  infrequently.  If  you  build  a  low- 
cost  transient  recorder  or  event  sampler,  you  can  dedi- 
cate it  to  capturing  single-shot  events.  Typical  applica- 
tions for  transient  recorders  include  monitoring  power- 
mains  transients,  evaluating  power  supplies,  and  cap- 
turing pressure  and  vacuum-line  transients  in  medical 
equipment. 

To  build  a  transient  recorder  or  burst-mode  event 
sampler,  you  need  a  high-speed  A/D  converter,  a  wide- 
band track/hold  amplifier,  and  an  antialiasing  filter. 
The  A/D  converter  must  have  a  sampling  rate  of  at 
least  twice  the  bandwidth  to  satisfy  the  Nyquist  crite- 
rion. In  practice,  you  should  oversample  the  input  sig- 
nal. At  2x  oversampling  (a  sampling  frequency  of 


twice  the  input  bandwidth),  you'll  need  to  use  a  filter 
with  an  infinite  roll-off  rate  to  avoid  aliasing  effects. 
At  3  x  oversampling,  the  roll-off  requirement  drops 
to  50  dB/octave  in  an  8-bit  system.  With  an  oversam- 
iling  ratio  of  10:1,  the  filter  roll-off  need  be  only  about 
6  dB/octave.  (See  box,  "Oversampling  reduces  antiali- 
asing requirements.") 

High-speed  sampling  A/D  converter  chips  routinely 
include  track/hold  amplifiers  on  the  same  chip.  The 
AD7821  is  an  example  of  this  trend.  It  combines  a 
100-kHz  track/hold  amplifier  with  a  lM-sample/sec  8- 
bit  A/D  converter.  Because  the  A/D  conversion  rate 
is  10  times  the  input  bandwidth,  you  don't  have  to 
design  a  complex  antialiasing  filter.  In  fact,  if  the  input 
signal  exhibits  only  a  low-power  spectral  content  at 
and  above  500  kHz,  you  can  eliminate  the  filter  alto- 
gether. 

The  AD7821  uses  a  half-flash  conversion  technique 
to  perform  an  8-bit  conversion  in  660  nsec.  A  require- 
ment of  a  350-nsec  signal-acquisition  period  between 
conversions  results  in  a  maximum  acquisition  rate  of 
1M  samples/sec.  You  can  operate  the  A/D  converter 
with  a  single  or  dual  supply  for  either  unipolar  or  b:" 
lar  inputs. 


Capture  single-shot  waveforms 

One  of  the  difficulties  in  capturing  single-shot  events 
is  the  speed  at  which  the  transient  recorder  circuit 
responds  once  the  input  signal  has  crossed  a  predeter- 
mined trigger  point.  If  the  recorder  circuit  responds 
too  slowly,  it  can  miss  fast  transients  altogether. 
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To  build  a  transient  recorder  or  burst-mode 
event  sampler  you  need  a  high-speed  A/D 
converter,  a  wideband  track/hold  amplifier, 
and  an  antialiasing  filter. 


Therefore,  to  accurately  capture  fast  events,  you  need 
a  high-speed  A/D  converter  and  a  wide-bandwidth 
track/hold  amplifier.  For  example,  an  8-bit  A/D 
converter  that  has  a  1-p.sec  conversion  time  can  capture 
l-(isec  transients  only  if  it's  not  preceded  by  a  track/ 
hold  amplifier.  If  you  match  this  A/D  converter 
with  a  track/hold  amplifier  that  has  a  100-kHz 
bandwidth,  the  ADC  can  recover  6-(i.sec-wide  5V 
transients. 

To  simplify  fault  detection  or  take  corrective  meas- 
ures, you  need  a  transient  recorder  that  can  grab  pre- 
transient  information.  You  can  use  this  pretransient 
data  to  learn  timing  relationships  between  the  tran- 


sient and  another  waveform.  Additionally,  your  re- 
corder should  be  able  to  react  to  both  positive  and 
negative  transients. 

Another  important  criterion  for  transient  recorders 
is  cost.  Although  you  could  use  a  digital  storage  oscillo- 
scope (DSO)  to  capture  frequently  occurring  or  very 
fast  transients,  dedicating  a  DSO  to  capturing  random 
events  would  be  an  expensive  proposition. 

Transient  recorder 

A  block  diagram  of  a  transient  recorder  (Fig  1) 
shows  the  minimum  hardware  you'll  need  to  build  a 
high-speed  transient  recorder  with  playback.  For  sim- 


Ove: 


In  the  spectrum  of  a  periodically 
sampled  waveform,  the  spectrum 
of  the  (unsampled)  input-signal 
repeats  around  harmonics  of  the 
sampling  frequency.  Any  fre- 
quency contained  in  the  input  sig- 
nal is  repeated  above  and  below 
each  harmonic  of  the  sampling 
frequency.  Therefore,  in  the 
spectrum  of  the  sampled  signal, 
the  band  between  0  and  fIN  (the 
input  spectrum),  appears — 
among  other  places — between 
fs  -  fiN  and  fs,  where  fs  is  the  sam- 
pling frequency.  Though  you  may 
be  under  the  impression  that  the 
input-signal  bandwidth  is  100 
kHz,  if  the  sampling  frequency  is 
1M  sample/sec,  a  signal  at  991 
kHz  in  the  input  spectrum  would 
appear  as  a  9-kHz  "alias"  compo- 
nent in  the  sampled  signal's  spec- 
trum. 

The  purpose  of  an  antialiasing 
filter  is  to  remove  or  at  least  at- 
tenuate any  noise  or  spurious  sig- 
nals that  could  be  aliased  back 
into  the  bandwidth  of  interest. 
Fig  A  shows  the  frequency  re- 
sponse of  an  antialiasing  filter  for 
a  generalized  A/D  converter.  You 
determine  the  filter  roll-off  by 


antialiasing  requirements 


drawing  a  straight  line  between 
the  highest  signal  frequency  of  in- 
terest, fIN,  and  the  stopband  at- 
tenuation frequency,  fs-fiN-  As 
the  ratio  of  fs  to  f1N  increases  (that 
is,  as  the  oversampling  ratio  in- 
creases) the  slope  of  the  line  de- 
creases. 
In  an  8-bit  system,  an  ideal 


 1  1  

ADC's  signal-to-noise  ratio  (S/N) 
is  slightly  greater  than  256:1  or 
48  dB.  To  avoid  having  noise  limit 
the  system  performance,  the  ra- 
tio of  the  input  signal  to  noise 
should  exceed  the  approximately 
48-dB  limit  imposed  by  the  ADC. 
Here,  the  signal  is  the  peak-to- 
peak  value  of  the  signal  within 
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Fig  A— The  antialiasing  filter  flint  precedes  the  transient  recorders  ADC  can  be  simple 
ur  complex  depending  on  the  degree  of  oivrsamplmg.  When  the  sampling  frequenri/  is 
lox  the  highest  frequency  of  interest,  the  filter  has  .1  oetaiKS  to  roll  in  its  attenuation 
A  simple  J-pole  filter  has  in  dBI,ula,r  roil-off.  An  X-bit  ADC  needs  slightly  more  than 
i#  dB  of  attenuation.  Hence,  a  .l-pole  filter  is  nsnalli/  sufficient  for  X-bit  resolution 
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plicity,  the  design  uses  a  clock  with  an  even  mark/space 
ratio.  The  clock's  50%  duty  cycle  limits  the  acquisition 
rate  to  660k  samples/sec  rather  than  the  A/D  con- 
verter's 1-M  sample/sec  maximum  rate.  (This  simplifi- 
cation reduces  the  oversampling  ratio  to  6.6:1.)  A  mem- 
ory chip  stores  the  digitized  data  for  later  playback 
on  an  X-Y  plotter  or  oscilloscope  via  a  dual  12-bit  D/A 
converter  and  a  quad  op-amp.  One  half  of  the  samples 
are  pretransient  information;  the  other  half  are  tran- 
sient data. 

A  more  detailed  schematic  (Fig  2)  shows  that  tw 
counters,  IC,  and  IC2,  control  where  the  circuit  s 
pretransient  and  transient  data. 


TRANSIENT 
DETECTOR 


CONTROL 
LOGIC 


HM6264  H 
MEMORY 


AD7547 
DUAL DAC 


Y-AXIS 


The  counters  also 


1 — If  you  think  of  a  transient  recorder  as 

again.  This  recorder  contains  several  pureli 
well  as  the  DAC  that  drives  the  display. 


merely  an  ADC, 
digital  blocks  as 


the  band  of  interest,  and  the 
noise  is  the  square  root  of  the 
sum  of  the  squares  of  the  ampli- 
tudes of  all  of  the  frequency  com- 
ponents outside  that  band.  The 
attenuation  required  on  signals 
outside  the  band  of  interest  de- 
pends on  the  application  and  the 
expected  magnitude  of  the  out-of- 
band  signals.  In  most  cases,  the 
magnitude  of  these  signals  is 
much  lower  than  that  of  the  de- 
sired signal. 

Usually,  8-bit  systems  require 
50  dB  of  attenuation  for  signals 
that  can  be  aliased  into  the  band 
of  interest.  Even  if  50  dB  is  not 
the  desired  number,  the  following 
calculations  show  the  kind  of  re- 
duction in  antialiasing  filter  re- 
quirements brought  about  by 
oversampling.  With  2  x  oversam- 
pling, (that  is  with  fs  =  2-fIN),  fs 
and  fIN  are  at  the  same  point  and 
the  filter  has  to  have  infinite  roll- 
off  to  attenuate  signals  at  fs  -  fIN. 
With  fs  =  3-fIN  (3x  oversam- 
pling), the  filter's  attenuation 
must  drop  from  0  dB  at  f|N  to  50 
dB  at  2  f1N.  In  other  words,  the 
slope  of  the  attenuation  vs  fre- 
quency curve  must  be  50  dB/ 


octave;  the  filter  (if  it  has  a  But- 
terworth  characteristic)  must 
have  more  than  eight  poles. 

With  10  x  oversampling,  there 
are  three  octaves  for  the  attenu- 
ation to  drop  from  0  to  50  dB. 
The  required  slope  is  a  little  more 
than  16  dB/octave;  a  3-pole  But- 


tialiasing-filter  performance  and 
oversampling  is,  however,  ex- 
actly the  same  for  an  oversam- 
pled  sigma-delta  modulator  as  for 
a  half-flash  or  a  successive-ap- 
proximation ADC.  A  sigma-delta 
ADC  and  a  half-flash  ADC  with 
atio 


P 

The  above  analysis  of  the  an-       the  antialiasing  filter, 
tialiasing  filter  holds  true  regard-       The  disadvantage  of  the  sigma- 
less  of  the  type  of  ADC  that  fol-     delta  process  for  transient  re- 


lows  the  filter.  No  matter  what 
the  conversion  technique,  over- 
sampling  reduces  the  antialiasing 
filter-  requirements.  Oversam- 
pling also  reduces  the  ADC  noise 
within  the  signal  bandwidth  be- 
cause it  spreads  the  quantization 
noise  over  a  wider  bandwidth. 
Oversampling  has  recently 
gained  considerable  popularity  in 
connection  with  sigma-delta 
ADCs.  In  the  case  of  these  con- 
verters, the  advantages  of  over- 
sampling  are  much  greater  than 
with  successive-approximation  or 
flash  ADCs  because  noise  shap- 
ing produces  dramatic  improve- 
ments in  noise  performance  as  the 
oversampling  ratio  increases. 
The  relationship  between  an- 


cording  is  the  pipelining  or  aver- 
aging technique  inherent  in 
sigma-delta  converters.  Because 
of  the  pipelining,  a  step  change 
requires  a  significant  time  (the 
settling  time  of  the  ADC's  digital 
filter)  to  ripple  through  to  the 
output.  Therefore,  there  is  a  de- 
lay before  a  sigma-delta  con- 
verter produces  an  output  that 
represents  an  input  change.  Be- 
tween the  time  the  input  changes 
and  the  sigma-delta  converter's 
output  reflects  the  change,  the 
ADC's  output  does  not  accurately 
represent  the  converter's  input. 
Such  performance  is  not  appro- 
priate for  transient  recorders  of 
the  type  discussed  here. 
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To  avoid  aliasing  effects,  at  2x  oversam- 
pling  (a  sampling  frequency  of  twice  the 
input  bandwidth)  you  need  a  filter  with 
an  infinite  roll-off  rate. 


clock  out  data  to  either  the  oscilloscope  or  the  X-Y 
plotter.  You  can  use  the  fast  clock  input,  CLK  IN,, 
for  the  clock  source  when  you're  using  the  circuit  in 
the  record  mode  or  displaying  stored  data  on  an  oscillo- 
scope. The  design  also  provides  a  slower  clock  input, 
CLK  IN2,  to  print  data  on  an  X-Y  plotter.. 

The  transient  recorder  operates  in  two  basic  modes: 
record  and  playback.  You  select  the  record  mode  by 


placing  switch  S,  in  the  record  position.  (IClgA  and 
IC18B  provide  debouncing  for  this  switch.)  Having  the 
MODE  output  of  IC13D  low  makes  one  input  of  both 
IC15D  and  IC14D  low.  Hence  the  clock  inputs  of  IC9A  and 
IC9B  (pins  10  and  22_respectively)  are  disabled,  ensuring 
that  the  1Q  and  2Q  outputs  of  IC9A  and  IC9B  are  high. 
Besides  disabling  the  chip-select  inputs  of  the  D/A  con- 
verter, CSA  and  CSB,  the  circuit  disables  the  output- 
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Fig  2— At  the  component  level,  the  basic  transient  recorder  is  a  circuit  of  moderate  complexity,  requiring  2S  ICs. 
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enable  signals  of  IC3,  IC4,  and  IC5  (the  HM6264  mem- 
ory chip),  ensuring  that  the  playback  portion  of  the 
transient  recorder  is  turned  off. 

CLK  IN!  serves  as  the  clock  source  for  the  counters 
via  IC14C,  IC_13B,  IC15B>  and  IC16C.  While  the  MODE 
signal  is  low,  CLK  is  the  clock  input  for  both  counters 
and  provides  the  RD  (convert)  signal  for  the  A/D  con- 
verter, IC6.  At  the  same  time,  IC6's  CS  input  is  active, 


ensuring  that  the  device  is  selected.  After  a  reset  from 
S3  initializes  the  circuit,  counter  2  begins  counting. 
IC17  and  IC23B  hold  the  reset  (CLR)  input  of  counter  1 
high  from  power-up  and  keep  counter  1  in  a  reset 
condition  until  the  circuit  detects  a  transient. 

You  configure  the  A/D  converter  by  tying  its  MODE 
input  (pin  7)  to  GND.  (Note  that  the  MODE  pin  of  the 
AD7821  shown  bears  no  relation  to  the  signal  labeled 
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With  an  over  sampling  ratio  of 10:1,  the 
filter  roll-off  need  be  only  about  16  dB/ 
octave. 


MODE  in  the  circuit  diagram.)  When  the  CLK  signal 
toggles  its  RD  input,  the  A/D  converter  executes  con- 
tinuous conversions  of  the  input  signal,  VIN.  Counter 
2  provides  the  memory  addresses  for  the  A/D  conver- 
sion results.  Data  transfers  from  the  digital  outputs 
of  IC6  to  IC5  employ  the  INT  output  of  IC6  to  drive 
the  WE  input  of  IC5. 

The  circuit  automatically  loads  the  first  conversion 
result  after  reset  into  location  0  of  memory  and  the 
second  result  into  location  1.  After  transferring  the 
result  of  the  4096th  conversion  to  memory  location 
4095,  the  counter  resets  and  stores  the  next  conversion 
result  in  location  0.  The  memory  will  therefore  always 
contain  the  most  recent  4096  samples  of  the  input 
waveform. 

Detect  fast  transients 

You  apply  the  input  signal  to  VIN.  This  terminal 
connects  directly  to  two  TL311  comparators  and  the 
analog  input  of  the  A/D  converter.  Comparator  IC19 
detects  positive  transients,  and  IC20  detects  negative 
ones.  To  set  the  threshold  level  for  a  positive-going 
signal,  adjust  resistor  R5;  adjust  R6  for  negative-going 
transients.  Wire  the  outputs  of  both  comparators  to- 
gether to  ensure  that  they  produce  a  rising  edge  to 
the  clock  input  of  IC8  when  either  a  negative  or  a 
positive  transient  occurs. 

Once  the  circuit  detects  a  rising  edge  at  pin  11  of 
IC8,  it  illuminates  an  LED,  D,.  At  the  same  time,  it 
releases  counter  1  from  its  reset  condition  by  taking 
RS,  low.  Now  the  circuit  clocks  both  counter  1  and 
counter  2  as  A/D  conversions  continue.  Counter  2 
counts  up  from  the  value  it  held  before  the  transient 
was  detected.  The  memory  locations  determined  by 
the  output  of  counter  2  store  the  transient  data  while 
overwriting  the  oldest  2048  samples  of  pretransient 
data  already  stored  in  memory.  Counter  1  counts  off 
the  2048  clock  states  that  correspond  with  the  samples. 

Because  the  output  of  IC16B  is  always  high  in  the 
record  mode,  when  counter  1  reaches  2047,  all  inputs 
to  IC10  and  IC„  are  high  and  both  IC's  outputs  go 
low.  As  a  result,  the  output  of  IC1ZA  goes  high,  causing 
the  output  of  ICi4A  to  go  low  via  IC13A  and  ICr,B.  This 
DIS  REC  CLK  signal  gates  off  CLK  INj  from  the 
rest  of  the  circuit  at  IC,4B.  The  output  of  IC]8C  ensures 
that  the  CLK  signal  is  held  low,  stopping  both  counters 
and  the  A/D  converter. 

At  the  end  of  the  transient-record  cycle,  the  memory 
will  contain  4096  samples  of  the  input  waveform.  One 
half  of  these  samples  are  transient  data,  the  other  half 


represent  pretransient  information.  Whatever  value  is 
in  counter  2  will  be  the  last  memory  location  for  the 
transient  data.  The  next  memory  location  will  hold  the 
first  of  the  2048  words  of  pretransient  data.  Now  when 
you  start  the  playback  mode,  the  first  output  from  the 
counter  will  correspond  to  the  memory  location  of  the 
first  pretransient  sample.  (To  alter  the  ratio  of  tran- 
sient to  pretransient  samples,  simply  alter  the  connec- 
tions from  counter  1  to  IC,0  and  ICn.) 

To  accurately  convert  the  input  waveform  to  stored 
data,  you  must  pay  close  attention  to  the  circuit.  Use 
a  precision  reference,  IC21,  to  generate  5V  and  -5V 
references  for  the  VREf+  and  VREK_  inputs  of  the  A/D 
converter.  Make  sure  that  you  properly  decouple  these 
reference  voltages  along  with  the  VDD  and  Vss  lines 
of  the  A/D  converter.  Connect  IC6's  GND  pin  to  the 
star  ground  of  the  system  (the  point  in  the  circuit  at 
which  you  connect  the  analog  and  digital  grounds). 
Make  sure  that  the  conductor  between  the  A/D  con- 
verter and  the  star  ground  is  as  wide  as  circuit-board 
layout  constraints  allow.  Further,  ensure  that  the  WR/ 
RDY  line  is  pulled  high  via  R19  to  avoid  noise  pickup 
on  this  pin. 

Play  back  captured  signals 

Once  you've  captured  that  bothersome  transient,  you 
can  play  it  back  at  any  convenient  time;  the  recorder 
will  retain  the  information  as  long  the  power  remains 
on,  or  until  you  depress  the  reset  button.  Select  the 
playback  mode  with  St.  Playback  takes  the  MODE 
signal  low,  activates  the  WR  input  to  IC7,  and  deselects 
IC6  by  taking  its  CS  high.  You  can  display  the  transient 
on  either  an  analog  oscilloscope  or  an  X-Y  plotter, 
depending  on  the  position  of  S2.  Make  sure  to  select 
the  oscilloscope  or  the  plotter  before  starting 
playback. 

If  you  decide  to  display  the  transient  on  an  oscillo- 
scope, the  clock  source  for  the  circuit  is  the  same  as 
in  the  record  mode.  If  you  use  a  plotter  for  playback, 
the  clock  frequency  is  much  lower  and  is  applied  via 
the  CLK  IN2  input.  CLK  (from  either  CLK  IN,  or 
CLK  IN2)  passes  through  gates  IC16D  and  IC,4D  because 
the  MODE  signal  is  high.  IC9A  and  IC9B  generate  the 
CSA  and  CSB  pulses  for  IC,  from  this  CLK  signal. 

IC9A  drives  the  CSA  input  of  IC7  as  well  as  the 
enable  signals  for  IC3  and  IC4.  When  you  choose  the 
playback  mode,  counter  1  resets  and  starts  counting 
from  0  to  4095.  The  counter's  output  is  the  digital  input 
code  to  DAC  A  of  IC7.  This  DAC  drives  the  X  axis  of 
either  the  oscilloscope  or  the  plotter.  DAC  A  produces 
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a  unipolar  output  range  from  0  to  5V,  with  a  resolution 
of  4096  steps. 

The  output  of  IC9B  drives  the  CSB  input  of  IC7  and 
also  sets  the  logic  level  on  IC5's  output-enable  line, 
OE.  This  action  latches  the  data  from  memory  into 
DAC  B,  which  drives  the  Y  axis  of  the  oscilloscope  or 
plotter.  By  using  dual  supplies,  you  can  set  DAC  B 
for  a  bipolar  output  range  to  reconstruct  both  positive 
and  negative  transients. 

Counter  2  starts  its  count  from  the  point  at  which 
it  stopped  at  the  end  of  the  record  mode;  the  first 
memory  output  word  to  IC7  is  the  oldest  sample  in 
memory.  The  scan  will  then  proceed  through  the  2048 
samples  of  pretransient  information  and  the  2048  sam- 
ples of  transient  information.  The  output  of  each  sam- 
ple from  memory  to  the  Y  axis,  via  DAC  B,  corre- 
sponds to  the  output  of  a  count  value  from  counter  1 
to  the  X  axis  via  DAC  A.  In  this  way,  the  circuit 
reconstructs  the  pretransient  and  transient  wave- 
forms. 

For  oscilloscope  display  of  waveforms,  place  S2  in 
the  scope  position.  Doing  so  locks  out  CLK  IN2  from 
the  rest  of  the  circuit  but  allows  CLK  IN,  to  operate 
as  clock  signal  for  the  circuit.  Unlike  the  plotter  display 
option,  where  counter  1  runs  through  once  and  then 
stops,  CLK  runs  continuously.  CNT  FIN  does  go  high 
when  counter  1  reaches  a  count  of  4095,  but  because 
the  output  of  IC14C  is  high,  the  DIS  PLOT  CLK  signal 
does  not  go  low.  You  can  see  the  typical  oscilloscope 
waveform  display  in  Fig  3(a). 

You  display  the  stored  waveform  on  an  X-Y  plotter 
by  placing  S;,  in  the  plotter  position.  Doing  so  locks 


out  the  CLK  IN,  input  from  the  rest  of  the  circuit  and 
permits  CLK  IN2  to  generate  the  clock  signal  for  the 
circuit.  IClfiB,  IC10,  IC„,  and  IC12A  function  in  a  manner 
similar  to  the  record  mode  to  generate  a  high  CNT 
FIN  signal.  But  this  time,  IC]0  and  IC„  go  low  when 
counter  1  reaches  a  count  of  4095.  ICi:iA  goes  low,  and, 
because  the  output  of  ICWC  is  already  low,  the  DIS 
PLOT  CLK  signal  goes  low,  turning  off  CLK  IN2  at 
IC1SC  and  holding  the  CLK  signal  high.  Fig  3(b)  shows 
a  captured  transient  displayed  using  a  plotter  as  the 
display  method. 

Record-mode  timing  and  clock  waveforms 

The  timing  diagrams  in  Fig  4  show  the  logic  relation- 
ships for  the  record  mode.  The  MODE  signal  (not 
shown)  is  low  and  the  DIS  REC  CLK  signal  is  high. 
The  RSg  signal  goes  high  when  the  recorder  receives 
a  reset  command  via  S3  resetting  counter  2.  The  next 
falling  edge  of  the  CLK  signal  clocks  out  an  address 
for  IC5  from  counter  2.  A  conversion  is  also  initiated 
on  this  falling  CLK  edge,  and,  within  700  nsec,  the 
INT  signal  of  IC6  goes  low,  activating  the  WE  input 
of  IC5.  The  rising  edge  of  CLK  resets  the  INT  line  50 
nsec  later. 

When  the  circuit  detects  a  transient,  the  TRANS 
REC  signal  goes  high,  causing  the  RSi  line  to  go  low 
and  releasing  counter  1  from  its  reset  state.  The  next 
falling  edge  of  CLK  clocks  out  the  outputs  from  counter 
1.  When  the  count  output  from  counter  1  reaches  2047, 
the  CNT  FIN  signal  goes  high  and  causes  the  DIS 
REC  CLK  signal  to  go  low,  shutting  off  the  CLK 
signal. 
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To  accurately  capture  fast  events,  you  need 
a  high-speed  A/D  converter  and  a  wide- 
bandwidth  track/hold  amplifier. 
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Fig  4 — The  timing  relation- 
ships in  the  record  mode  show 
that  recording  starts  on  the  first 
falling  clock  edge  after  the  reset 
line  goes  high. 


In  the  record  mode  in  the  waveforms  shown,  the 
50/50  mark/space  ratio  of  the  CLK  signal  limits  the 
clock  frequency  to  660  kHz.  You  need  a  CLK-low  time 
of  750  nsec  for  the  A/D  converter  to  perform  its  conver- 
sion correctly  and  latch  the  data  into  IC5.  However, 
the  CLK-high  time  can  be  as  short  as  350  nsec,  the 
time  required  between  conversions  by  the  AD7821. 
Therefore,  if  the  input  to  CLK  INj  has  a  low  time  of 
750  nsec  and  a  high  time  of  350  nsec,  the  circuit  can 
make  one  conversion  every  1100  nsec — equivalent  to 
approximately  900k  samples/sec. 

Playback  to  a  scope 

During  playback  to  an  oscilloscope,  (Fig  5(a)),  the 
MODE  signal,  the  WE  input  of  ICE,  and  the  DIS  REC 
CLK  signal  are  high.  When  you  place  Si  in  the  playback 
mode,  RS,  goes  high,  resetting  counter  L  The  CLK 
signal  generates  a  CSA  signal  for  IC7  on  its  rising 
edge  and  a  CSB  signal  on  its  falling  edge.  The  falling 
edge  of  the  CLK  signal  clocks  data  from  counter  1, 
and  the  rising  edge  of  CSA  updates  the  X  axis.  The 
falling  edge  of  OE  outputs  stored  data  from  memory, 
and  the  rising  edge  of  CSB  updates  the  Y  axis.  The 
CLK  signal  runs  continuously  when  the  circuit  is  in 
the  scope-playback  mode. 

The  timing  diagram  of  Fig  5(b)  shows  operation  of 


the  circuit  for  playback  on  a  plotter.  Once  again, 
MODE,  the  WE  input  of  IC5)  and  the  DIS  REC  CLK 
signals  are  high.  The  circuit  generates  CSA  and  CSB 
to  update  the  X  and  Y  axes.  Compared  with  scope 
playback,  the  difference  in  the  circuit's  operation  is 
that  when  the  output  count  from  counter  1  reaches 
4095  and  the  CNT  FIN  signal  goes  high,  the  DIS  PLOT 
CLK  signal  goes  low,  forcing  the  CLK  signal  into  a 
high  state. 

Burst-mode  event  sampling  places  requirements  on 
an  A/D  converter  similar  to  those  for  transient  record- 
ing. In  burst-mode  sampling,  the  recorder  looks  at  the 
input  waveform  infrequently,  but  when  it  does,  it  must 
acquire  a  large  number  of  samples  in  a  short  time. 
With  slower  microprocessors  or  microcontrollers,  you'll 
find  that  because  of  instruction-  and  bus-timing  con- 
straints, you  can't  achieve  anything  like  the  A/D  con- 
verter's maximum  throughput. 

You  can  overcome  timing  limitations  in  a  burst-mode 
sampler  by  using  a  DMA  controller  to  initiate  A/D 
conversions  and  transfer  conversion  data  to  memory. 
Doing  so  lets  you  run  the  A/D  converter  at  or  near  its 
maximum  sample  rate,  permitting  high  oversampling 
ratios  and  the  acquisition  of  short  transients. 

Building  a  burst-mode  sampler  is  a  simple  matter 
with  the  popular  8052  microcontroller  (Fig  6).  Al- 


3-44   ANALOG-TO-DIGITAL  CONVERTERS 


s,  _ri_ 


~U    U    U    L/^U  U — U — Lf 

ir^rnr^Trnr-Lr-ir-ir 

 (£  


 «  


'LTLJ 


inr~ir~i/^im 
~ ir~ir~irir^^ 


_ 


"L 


— 


Fig  5— The  timing  for  i 
form  playback  is  almost  the 
same  in  the  scope  mode  (a)  as 
in  the  plotter  mode  (b).  The  dif- 
ference is  that  the  scope  play- 
back runs  continuously, 
whereas  the  circuit  produces  a 
plotter  output  only  once. 


though  the  8052  does  not  support  hardware  DMA,  it 
does  support  what  is  termed  "fake  DMA."  However, 
expect  the  response  time  to  DMA  requests  to  be  much 
slower  than  what  is  possible  with  microcontrollers  that 
support  genuine  DMA. 

The  HM6264P  memory  chip,  IC3,  stores  the  control 
program  for  Id.  The  first  part  of  the  control  program 
is  the  initialization  routine.  This  routine  (Listing  1) 
sets  up  the  sense  of  the  DACKO  line  of  the  8237,  Id, 
to  be  active  high.  It  also  loads  the  starting  data  address 
into  Id  f°r  the  first  conversion  results.  Id  initializes 
the  counting  register  to  control  the  number  of  conver- 
sions before  Id  returns  control  to  Id.  The  program 
must  also  set  up  Id  for  "fake  DMA." 

Once  you've  run  the  initialization  program,  Id  is 
ready  to  take  control  when  requested  to  do  so.  Al- 
though Id  has  four  interrupt-request  lines,  this  circuit 
uses  only  one,  DREQO.  An  external  command  signal 
drives  this  interrupt  line  high,  telling  Id  to  take  con- 
trol of  the  circuit  and  start  the  A/D  converter  sampling 
the  input  waveform. 

After  Id  receives  the  DREQO  request  (Fig  7),  its 
HRQ  line  goes  high  and  feeds  ICHc,  which  takes  the 
INTO  line  of  Id  low.  Id  responds  to  this  "fake  DMA" 
request  by  bringing  its  PI. 6  line  low  and  the  output 
of  IC14A  high,  selecting  inputs  of  Id,  Id,  Id,  and 
IC10.  When  the  output  of  IC14A  goes  high,  it  shuts  off 
Id's  address  and  data  lines  from  the  rest  of  the  circuit 
and  deselects  the  output's  address  decoder,  IC13.  The 
inverted  PI. 6  line  also  feeds  the  HLDA  input  of  Id, 
acknowledging  Id's  request  for  control.  Id  then  takes 


control  of  the  address  and  data  bus  and  the  sampling 
of  the  input  waveform. 

To  reduce  pin  count,  Id  multiplexes  the  eight 
higher-order  address  bits  on  the  data  lines.  You  need 
an  external  device  to  latch  these  address  bits.  The 
address  strobe  signal,  ADSTB,  takes  AEN  high  and 
switches  the  OC  line  of  Id  low.  ADSTB  drives  the  C 
input  of  Id  to  latch  the  higher  address  lines  to  the 
outputs  of  Id.  The  inverted  AEN  line  also  drives  one 
input  of  Id,iD.  The  decoded  output,  Y0,  of  ICU  controls 
the  other  input  of  this  gate.  Therefore,  either  a  high 
on  AEN  or  a  low  on  the  decoder  output  selects  Id- 
You  need  this  control  logic  because  both  Id  and  Id 
must  be  able  to  access  IC3. 

The  DACKO  line  goes  high  at  about  the  same  time 
that  ADSTB  latches  the  address  and  drives  one  input 
of  IC,5A.  ICi5A  and  IC16B  ensure  that  the  CS  line  of  Id 
goes  low  only  when  an  input/output  read  operation  of 
Id  occurs.  IC,5C  provides  the  correct  polarity  for  the 
RD  input  and  equalizes  the  delay  paths  for  the  CS  and 
RD  lines,  ensuring  that  the  circuit  obeys  the  CS-to-RD 
setup  time. 

Once  IG,  receives  a  CS  signal,  it  acknowledges  re- 
ceipt of  the  signal  by  bringing  its  RDY  line  low,  placing 
the  controller,  IC2,  into  a  wait  state  for  as  long  as  its 
READY  input  is  low.  When  the  device  completes  a 
conversion,  the  RDY  line  goes  high,  releasing  Id  from 
its  wait  state.  Because  Id's  RDY  output  is  an  open- 
drain  output,  you  need  to  install  an  external  pullup 
resistor,  R2. 

When  the  circuit  releases  IC2  from  its  wait  state, 
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%  8052  microcontroller  is  roughly  equal  in  complexity  to  the  transient  recorder  shown  earlier. 


data  from  IC,  is  valid.  The  address  lines  of  IC2  deter-  will  continue  to  issue  read  commands  to  IC4  until  the 

mine  where  data  loads  into  memory.  IC2  performs  all  circuit  completes  the  required  number  of  conversions 

of  these  operations  automatically  because  a  memory  IC2  automatically  increments  the  memory  address  after 

write  accompanies  each  input/output  read.  Depending  every  write  operation 

on  the  value  loaded  into  the  counting  register,  IC2  T 


3-46  ANALOG-TO-DIGITAL  CONVERTERS 


consecutive  memory  loeati 
conversion  takes  place  on  I 


channels.  The  three  upper  and  three  lowest  address 
lines  of  IC2,  gated  through  IC16A,  ICi6B,  and  IC16C,  se- 
lect the  input  channel.  If  the  three  upper  address  lines 
are  set  to  all  Is,  IC4  will  convert  each  channel' in  se- 
quence, and  the  conversion  results  will  be  stored  in 


s.  For  example,  if  the  first 
e  channel-1  input  voltage, 
VIN1,  and  the  result  is  stored  in  location  M  of  IC3,  the 
next  conversion  will  take  place  on  VIN2,  and  the  result 
will  be  stored  in  location  M  + 1.  If  the  three  uppermost 
address  bits  are  set  to  Oil,  the  circuit  will  sequence 
through  channels  1  to  4  only. 

Ready  or  not 

The  RDY  line  of  IC4  drives  the  WR  input  of  IC12, 
loading  the  address  for  the  next  channel  to  be  con- 
verted into  the  multiplexer.  When  you  have  only  one 
input  channel  to  convert,  you  can  use  an  alternate 
design:  Remove  ICi6A,  IC16B,  and  IC16C,  and  drive  the 
AO,  Al,  and  A2  inputs  of  IC12  directly  from  the  three 
uppermost  address  lines.  Using  this  scheme,  the  pro- 
gram chooses  the  input  channel. 

ICi  selects  the  device  it  talks  to  using  a  l-of-8  ad- 
dress decoder,  IC13.  The  outputs  of  ICi3  provide  signals 
for  ICi2's  WR  line,  IC3's  CS  input,  and  IC2's  CS  input. 
One  of  the  outputs  also  gates  the  P3.7  (RD)  and  the 
P3.6  (WR)  outputs  from  Id  to  drive  the  IOW  and  IOR 
inputs  of  IC2.  The  upper  three  address  lines  of  ICi 
select  the  required  device.  The  lower  address  lines  are 
multiplexed  with  the  data  lines  in  a  manner  similar  to 
the  way  IC2's  address  and  data  lines  are  multiplexed. 
ICn  demultiplexes  the  lower  eight  address  lines.  ICYs 
ALE  signal  latches  these  address  lines.  The  3-state 
buffers,  IC7,  IC8,  and  ICjo,  isolate  ICi  outputs  from 
the  address  bus  when  IC2  takes  control.  You  must  use 
these  buffers  because  ICj  can't  place  its  address  and 
data  buses  into  a  high-impedance  state  when  IC2  takes 
control  of  the  circuit.  IC9  also  acts  as  a  buffer  but  is 
bidirectional  because  IC!  must  read  data  from  and 
write  data  to  memory. 

ICi  uses  a  10-MHz  input-clock  frequency.  A 
74HCT74  counter  (IC19)  divides  down  this  clock  to  form 
the  clock  input  to  IC2.  The  standard  8237  operates  from 
a  3-MHz  maximum  clock  frequency,  so  you  can  divide 
the  10-MHz  clock  by  4  to  provide  IC2's  clock.  You'll 
have  a  resultant  acquisition  rate  of  608k  samples/sec. 
A  faster  version  of  the  8237,  the  8237-5,  operates  from 
a  5-MHz  input  clock,  allowing  you  to  divide  the  clock 
frequency  by  2  and  enabling  the  circuit  to  take  812k 
samples/sec.  If  you  were  to  use  IC,  on  its  own  to  control 
the  sampling  of  the  input  waveform,  the  best  acquisi- 
tion rate  you  could  obtain  would  be  approximately  100k 
samples/sec. 

The  entire  circuit  operates  from  15V  and  5V  sup- 
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Listing  1 —Initialization  Routine 
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=  08H 

70 

XBY(8001H) 

=  00H 

80 

XBY(8001H) 

=  02H 

90 

DBY(38)  = 

DBY(38) .OR.02H 

100 
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SETS  DACK  SENSE  ACTIVE  HIGH 
CLEARS  DREQO  MASK  REGISTER 
SETS  MODE  REGISTER 
CLEARS  FIRST/LAST  FLIP-FLOP 

(ONLY  REQUIRED  IF  8237  IS 

NOT  RESET  BETWEEN  DMA  REQUESTS) 
LOADS  LOWER  BYTE  OF  STARTING  DATA 

ADDRESS  TO  BASE  AND  CURRENT  ADDRESS 
LOADS  HIGHER  BYTE  OF  STARTING  DATA 

ADDRESS  TO  BASE  AND 
LOADS  LOWER  BYTE  OF 

TO  COUNT  REGISTER 
LOADS  HIGHER  BYTE  OF  COUNTING  NUMBER 

TO  COUNT  REGISTER 


ADDRESS 
NUMBER 





HRQ 


HLDA 


-Vr 


AEN   f 

AOSTB   


DB0-DB7— 
DACKO 


-<ADDRESS  VALID><ADDRESS  v'a^~ 

j  Sbc 


RD(AD7821 ) 


CSIAD7821) 


RDY(AD7821) 


WE(HM6264) 


sponse  of  the  8052's  "fake  DMA."  Because  microproces- 
sors that  support  genuine  DMA  will  3-state  their  ad- 
dress and  data  lines  during  a  DMA  transfer,  you  can 
eliminate  the  3-state  driver  ( 


Fig  7— Although  the  8052  does  not  support  true  DMA,  you  can 
create  a  "fake  DMA"  mode,  which,  though  not  as  fast  as  real  DMA, 
lets  you  transfer  blocks  of  data  directly  to  memory. 

plies.  If  there  isn't  a  5V  supply  in  your  system,  you 
can  add  a  regulator  to  generate  5V.  In  addition,  plan 
to  use  a  precision  5V  reference  (IC5)  for  the  A/D  con- 
verter, allowing  an  input  range  of  0  to  5V.  To  obtain 
accurate  conversion  results,  you  must  obey  the  same 
guidelines  regarding  decoupling  and  grounding  as  ap- 
ply to  the  transient-recorder  circuit. 

You  can  use  the  same  design  (Fig  6)  with  slow-  and 
medium-speed  microprocessors  that  support  DMA  re- 
quests. With  these  microprocessors,  you'll  find  the 
DMA  response  time  will  be  much  faster  than  the  re- 
• 
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Test  Video  A/D  Converters  Under  Dynamic  Conditions 

by  Walt  Kester 

To  adequately  characterize  video-speed  analog-to-digital 
converters,  collect  and  evaluate  the  test  results  from 
comprehensive  dynamic  measurements. 


To  check  out  video-speed  analog-to-digital  converters — 
those  operating  at  sampling  rates  exceeding  10  MHz — 
use  dynamic  performance  testing.  Such  testing  accumu- 
lates data  that  accurately  describes  these  converters' 
ability  to  digitize  fast-acting  analog  input  signals. 

An  alternative  test  approach  traditionally  used  with 
low-  to  medium-speed  converters,  static  testing  proves 
deficient  for  high-speed  devices  because  video  A/D 
converters  demonstrate  virtually  ideal  digitizing  trans- 
fer functions  under  dc  or  low-frequency  ac  stimulation. 
However,  under  dynamic  stress — ac  test  signals  ap- 
proaching the  Nyquist  sampling-rate  limit 
fs/2 — video-speed  units  often  exhibit  otherwise  hidden 
shortcomings,  such  as  missing  codes,  nonmonotonic 
conditions  or  linearity  errors. 

On  the  debit  side,  though,  dynamic  testing  lacks  the 
standardization  of  industry-accepted  static  testing. 
Consequently,  users  tend  to  focus  only  on  those  ac 
specs  that  highlight  a  particular  video-converter  appli- 


cation. For  example,  differential  gain  and  phase  are 
paramount  in  digital-video  uses,  and  noise-power-ratio 
checks  dominate  evaluation  of  parts  aimed  at  data- 
communication  tasks. 

Moreover,  in  practice,  no  single  specification  or  test 
can  completely  characterize  a  video  A/D  converter's 
performance  under  dynamic  conditions.  Therefore,  you 
must  implement  a  variety  of  probing  analog  and  digital 
tests.  Equipped  with  the  test  results,  however,  you  can 
then  generate  a  set  of  converter  specs  that  accurately 
describe  those  parameters  affecting  your  application. 

DAC  eases  ADC  testing 

Connecting  a  high-performance  D/A  converter  to  the 
video  A/D  converter  under  test  permits  dynamic 
performance  measurements  with  conventional  analog 
test  equipment.  To  obtain  valid  test  results,  however, 
the  DAC's  static  and  dynamic  performance  must  exceed 
that  of  the  A/D  converter  by  two  bits  or  more. 
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Fig  1  — Connecting  a  high-performance  digital-to-analog  converter  to  the  video  AID  converter  under  test  in  a  back-to-back  setup 
allows  you  to  perform  dynamic  measurements  using  common  analog  test  equipment.  The  DAC,  however,  must  function  at  least  four 
times  better  than  the  AID  converter  to  ensure  accurate  test  data.  The  track/hold  amplifier/deglitcher  removes  undesirable  harmonics 
or  discontinuities  from  the  output  signal. 
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Use  a  D/A  converter  to 
dynamically  test  an  A  D  converter 


Fortunately,  though,  because  many  DACs  achieve  such 
higher  performance,  back-to-back  A/D-to-D/A  testing 
proves  successful  (Fig  1).  In  this  method,  the  DAC 
must  operate  transparently  over  the  input  frequency 
range  and  with  the  A/D  converter's  sampling  rate. 

For  accurate  dynamic  testing,  the  DAC's  settling 
time  must  not  surpass  the  period  corresponding  to  the 
A/D  converter's  maximum  sampling  rate.  In  addition,  a 
deglitcher  connected  to  the  DAC's  output  removes 
unwanted  harmonics  caused  by  DAC  glitches  or  analog- 
output  discontinuities.  Essentially  a  track/hold  amplifi- 
er, the  deglitcher  switches  to  its  Hold  mode  immediate- 
ly before  the  DAC  gets  updated.  During  DAC  updating 
in  the  Hold  mode,  the  glitch  settles  out.  Then,  the 
track/hold  enters  its  Track  mode  and  acquires  the 
DAC's  new  output  value,  typically  in  less  than  30  nsec. 

Note  that  the  deglitcher  inserts  a  glitch  in  the  DAC's 
output.  However,  the  glitch  occurs  at  the  test  system's 
sampling  rate  and  is  therefore  filterable.  For  analysis 
purposes,  a  sine  function — a  (sin  x)/x  curve — describes 
the  deglitcher  output's  frequency  response.  This  re- 
sponse stems  from  the  deglitcher's  signal- 
reconstruction  process:  Its  output  is  a  series  of 
rectangular  pulses  whose  widths  equal  the  sampling 
frequency's  reciprocal. 

When  this  pulse  stream  passes  through  the  low-pass 
filter,  the  attenuation  at  frequency  f  with  a  sampling 


sin  (-n-f/fj 
7rf/f,  • 


ratio  (SNR)  when  stimulated  by  a  spectrally  pure  sine 
wave.  Ideally,  an  A/D  converter  generates  q/Vl2  rms 
quantizing  noise  in  an  fs/2  bandwidth,  where  q  equals 
the  weight  of  the  least  significant  bit  (LSB).  This  rms 
noise  level  is  independent  of  the  input  sine  wave's  level 
and  frequency  so  long  as  the  level  lies  within  the  A/D 
converter's  operating  range. 

Theoretically,  the  ratio  of  a  full-scale  sine  wave's  rms 
level  to  an  ideal  N-bit  A/D  converter's  rms  quantizing 
noise  (measured  over  an  fs/2  bandwidth)  equals 

SNR  =  6.02N  +  1.8  dB. 

Practically,  though,  an  A/D  converter's  noise  floor 
increases  with  the  full-scale  sine  wave's  increasing 
input  frequency;  the  corresponding  SNR  thus  decreas- 
es. Conversely,  holding  the  input  frequency  constant 
but  reducing  the  sine-wave  amplitude  decreases  the 
A/D  converter's  noise  floor. 

Fig  2  shows  an  analog  test  setup  for  measuring  an 
A/D  converter's  SNR.  During  operation,  a  spectrally 
pure  full-scale  sine  wave  feeds  the  A/D  converter, 
which  is  followed  by  several  signal-processing  stages. 
The  output  of  these  stages  in  turn  drives  a  true-rms 
voltmeter,  first  bypassing  the  bandstop  filter  for 


Af  n 

System  measurements  that  depend  on  frequency  re- 
sponse must  take  into  account  this  theoretical  rolloff  or 
must  be  made  using  a  compensating  filter. 

This  sine  correction  filter's  output  goes  through  the 
low-pass  filter,  which  has  a  cutoff  of  approximately 
fs/2.2.  The  filter's  attenuation  at  frequencies  equal  to  or 
greater  than  fs/2  should  be  at  least  10  dB  higher  than 
the  A/D  converter's  dynamic  range  to  prevent  aliasing 
errors. 

To  ensure  accuracy,  how  do  you  verify  the  DAC's  and 
deglitcher's  dynamic  performance  independently  of  the 
A/D  converter?  One  method  involves  driving  the  DAC 
ith  a  PROM  loaded  with  an  ideally  quantized  recircu- 
iting  sine  wave  and  examining  the  deglitcher's  output 
for  harmonics  using  a  spectrum  analyzer.  If  you  store 
two  sine  waves  of  slightly  different  frequencies  in 
PROM,  you  can  measure  dual-tone  intermodulation 
products.  A  less  desirable  method  centers  on  driving 
the  DAC  with  an  A/D  converter  having  known 
characteristics. 

SNR  tests  deserve  priority 

Probably  the  most  powerful  indicator  of  an  A/D 
converter's  dynamic  performance  is  its  signal-to-noise 
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Fig  2 — Use  this  test  setup  to  make  analog  signal-to-noise- 
ratio  (SNR)  measurements  on  video  AID  converters.  To 
operate,  apply  a  spectrally  pure  full-scale  sine  wave  to  the 
converter.  On  the  true-rms  voltmeter,  measure  the  signal- 
plus-noise  level  with  the  bandstop  filter  out  of  the  circuit. 
Then,  switch  in  the  bandstop  fitter  to  remove  the  fundamental 
signal  and  to  measure  the  rms  noise  level  alone.  The  two 
I  in  decibels,  make  up  the  signal-plus- 

,  ratio. 
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measurement  of  the  signal's  level  plus  noise.  Switching 
in  the  bandstop  filter  then  removes  the  fundamental 
signal  to  allow  the  rms  voltmeter  to  measure  the  noise 
level  alone.  The  ratio  of  these  two  readings  expressed 
in  decibels  equals  the  ratio  of  the  signal  plus  noise  to 
the  noise,  which  approximates  the  SNR  for  a  signal  at 
least  10  dB  greater  than  the  noise  level. 

Minimizing  DAC  effects 

Fig  3  depicts  a  useful  test  method  for  reducing  DAC 
;s  in  making  back-to-back  A/D-to-D/A  measure- 
'he  technique  employs  an  analog  input  sine 
slightly  lower  in  frequency  than  one-half  the 


sampling  frequency,  and  the  registers  driving  the  DAC 
get  updated  at  an  even  submultiple  of  the  sampling  rate 
(fs/2N).  In  turn,  the  DAC  emits  a  sine  wave  having  a 
frequency  equal  to  the  difference  between  one-half  the 
sampling  rate  and  the  analog  input  frequency. 

In  test  operation,  the  A/D  converter  receives  a  signal 
whose  frequency  approaches  the  device's  Nyquist  limit. 
The  DAC,  however,  updates  at  a  much  lower  rate 
(fs/2N),  thereby  reducing  the  effects  of  glitches  and 
other  dynamic  errors.  You  can  therefore  make  signal- 
to-noise  measurements  over  an  fs/4N  bandwidth.  Use 
an  oscilloscope  to  inspect  the  low-frequency  beat  for 
missing  codes  and  other  nonlinearities;  a  standard 
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Fig  3 — To  reduce  the  OAC's  effects  on  AID-converter  back-to-back  measurements,  consider  this  beat-frequency  test  setup.  In  this 
approach,  the  AID  converter,  operating  at  its  maximum  sampling  rate,  receives  a  near-Nyquist-lrequency  signal  (fs/2).  The  DAC 
updates  at  a  slower  rate  (fsl2N),  reducing  glitches  and  dynamic  errors.  You  can  thus  make  signal-to-noise  measurements  over  an 
fs/4N  bandwidth.  Examine  the  low-frequency  beat  on  an  oscilloscope  for  missing  codes  and  nonlinearities  and  on  a  spectrum 
analyzer  tor  harmonic  content. 


ATnLp°uGt 

ENCOD 
COMMAI 

E 

ID 

A/D 
CONVERTER 
(TO  13  BITS! 

DATA 

BUFFER 
MEMORY 
(1024  WORDS) 

•4  1  

1 
1 
1 

■*  * 

MEMORY- 
CONTROL 
LOGIC 

DATA  READY 

A  f\ 


BUS 
INTERFACE 
CARD 


DECWRITER 
TERMINAL 

(LA-36) 


IEEE-488 


V 





PDP-11/40  COMPUTER 
(48k  MAIN  MEMORY 
AND  RT-11  FORTRAN 
SOFTWARE) 


Al 


DISK 
MEMORY 


/  (RK05 
 J\  EQUIVALENT) 


Fig  4 — Digitally  measuring  a  video  A/D  converter's  signal-to-noise  ratio  (SNR)  calls  for  a  computerized  test  setup  that  eliminates 
the  DAC  and  its  potential  errors.  During  operation,  a  spectrally  pure  sine  wave  feeds  the  AID  converter,  and  contiguous  samples 
store  in  the  high-speed  buffer.  The  computer  analyzes  the  stored  data  using  a  discrete  Fourier  transform  to  determine  the  AID 
converter's  true  SNR  and  harmonic  content. 
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Signal-to-noise  tests  are  key  to 
converter  performance  indicators 


low-frequency  spectrum  analyzer  lets  you  measure 
harmonic  content. 

Observe  that  the  low-frequency-beat  harmonics  re- 
late directly  to  the  A/D  converter's  analog-input- 
frequency  harmonics.  In  practice,  a  beat  frequency  of  a 
few  hundred  kilohertz  performs  satisfactorily.  Derive 
both  the  analog  input  sine  wave  and  the  sampling 
frequency  from  frequency  synthesizers  or  crystals 
to  prevent  low-frequency-beat-signal  smearing. 

The  beat-frequency  test  also  proves  effective  in 
measuring  the  A/D  converter's  performance  for  input 
signals  near  the  sampling  frequency.  For  a  typical  test, 
make  the  A/D  unit's  input  frequency  slightly  less  than 
the  sampling  rate  (fs).  Check  that  a  low-frequency  beat 
occurs  even  when  the  DAC  updates  at  the  sampling 
rate.  Note,  however,  that  updating  the  DAC  at  fs/2N 
reduces  dynamic  errors. 

Measure  SNR  digitally 

Measuring  SNR  using  the  methods  previously  de- 
scribed proves  valid  only  when  the  DAC's 
static  and  dynamic  performance  exceeds  that  of  the  A/D 
converter  under  test  by  at  least  four  times.  To 
eliminate  the  DAC's  errors,  therefore,  and  to  measure 
the  A/D  converter's  SNR  digitally,  consider  Fig  4's  test 
setup. 


-20  -15  -10  -5  0 

INPUT  SINE-WAVE  LEVEL 
RELATIVE  TO  FULL  SCALE  IdBI 


Fig  5 — Plotted  curves  help  analyze  a  video  AID  converter's 
theoretical  and  actual  SNR  test  results.  They  track  SNR 
values  vs  input  sine-wave  levels  for  8-,  9-  and  10-bit 
converters.  With  this  information,  you  can  determine  the 
number  of  effective  resolution  bits  for  various  input  signal 
implitudes  and  frequencies. 


To  initiate  testing,  apply  a  spectrally  pure  sine  wave 
to  the  A/D  converter.  Store  contiguous  samples  in 
high-speed  buffer  memory  for  computer  analysis  using 
a  discrete  Fourier  transform  (DFT)  or  a  fast  Fourier 
transform  (FFT).  Note  that  although  the  FFT  algo- 
rithm reduces  processing  time,  the  DFT  mathematics 
involves  less  complexity  and  thus  becomes  the  pre- 
ferred method. 

To  use  a  DFT,  first  determine  an  appropriate 
time-weighting  function  for  the  A/D  converter  samples 
in  order  to  reduce  frequency  side  lobes.  Exercise  care 
in  this  determination,  though:  Selecting  an  improper 
weighting  function  spills  main-lobe  energy  into  other 
frequency  bands  and  makes  noise  measurements  impos- 
sible. Accordingly,  a  cos2  function  without  a  pedestal 
(often  termed  Hanning  weighting)  is  appropriate.  The 
input  data  multiplied  by  the  weighting  function  thus 
becomes 

WD„  =  D„  [0.5-0.5  cos  (^p)]  , 

where: 

WD„=nth  weighted  data  sample 
D„=nth  input  data  sample 
N=total  number  of  samples. 
This  weighting  function  compresses  the  spillover 
energy  into  a  few  frequency  bands  centered  on  the 
fundamental  sine-wave  frequency.  The  result?  It  elimi- 
nates contamination  over  most  of  the  spectrum. 

Next,  program  a  computer  to  establish  the  DFT  of 
the  sequence  of  weighted  data  samples  for  N/2 
frequencies.  The  program  must  solve  the  following  two 
equations  for  the  Kth  frequency: 

1  £  wr>         r27rk(n  -  1)1 

Bk  =  I  I  WD,  sin  , 

where  AK  and  BK  represent  the  magnitudes  of  the  Kth 
spectral  line's  cosine  and  sine  parts.  The  line's  magni- 
tude therefore  equals 

magk  =  VA£  +  Bi 
The  computer  uses  this  equation  to  determine  SNR.  It 
then  computes  the  residual  noise  floor  in  all  frequency 
bands  except  those  occupied  by  the  input  signal. 
During  execution,  the  program  squares  the  magnitude 
of  each  frequency  band  that  doesn't  contain  the  input 
signal,  adds  all  N/2  squared  magnitudes  and  evaluates 
the  following  square  root: 


VN/Z 
S    MAGk  . 

K  =  1 

Set  several  frequency  bands  on  either  side  of  the 
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fundamental  sine-wave  frequency  band  to  zero  to 
account  for  main-lobe  widening  caused  by  the  cos2 
weighting  function. 

For  the  final  SNR  test,  measure  harmonic  distortion 
using  the  following  expression: 


HARMONIC  DISTORTION 


where: 

MAGr= magnitude  of  fundamental 
MAGmf=  magnitude  of  mth  harmonic. 
In  making  digital  SNR  measurements,  don't  lock  the 
fundamental  input  sine- wave  frequency  to  the  sampling 
frequency  or  its  harmonics.  If  you  do,  the  sample-to- 
sample  variations  in  the  sampled  input  signal  and  the 
A/D  converter's  encoded  output  voltage  become  pre- 
dictable and  repeatable.  Obeying  this  rule  achieves 
measurement  results  that  indicate  true  SNR  and 
harmonic  content  under  normal  A/D-converter  opera- 
ting conditions,  where  sample-to-sample  variations  are 
unpredictable  and  nonrepeatable. 

Analyzing  SNR  results 

You  can  display  and  analyze  AVD-converter  SNR  test 
results  in  several  ways.  For  example,  you  can  plot  SNR 
versus  sine-wave  frequency  for  a  constant-amplitude 
full-scale  sine-wave  input.  You  can  also  plot  SNR 
versus  input-signal  amplitude  for  a  fixed  sine-wave 
Vhat's  more,  you  can  combine  the  two  plots 
Using  these  curves,  you  can  determine  the 
er  of  effective  bits  of  resolution  for  various 
amplitudes  and  frequencies  and  compare  them  with  the 
theoretical  values. 

Note  that  you  can  measure  the  SNR  for  input  signals 
greater  than  the  Nyquist  limit  (fs/2).  Be  aware, 
however,  that  the  fundamental  sine  wave  then  appears 
as  an  alias  component  within  the  fs/2  bandwidth.  For 
e,  a  12-MHz  sine  wave's  in-band  component 
1  at  20  MHz  occurs  at  8  MHz. 

NPR  tests  demand  attention 

Another  important  indicator  of  an  A/D  converter's 
dynamic  performance  centers  on  noise-power-ratio 
(NPR)  testing.  This  ratio  testing  finds  extensive  use  in 
measuring  the  transmission  characteristics  of  frequen- 
cy-division-multiplexed (FDM)  communications  links. 
In  a  typical  FDM  system,  4-kHz-wide  voice  channels 
get  stacked  in  frequency  for  transmission  over  coaxial, 
microwave  or  satellite  equipment.  At  the  receiving  end, 
the  FDM  data  becomes  demultiplexed  and  returned  to 
4-kHz  individual  baseband  channels.  In  an  FDM  system 
having  more  than  about  100  channels,  you  can  approxi- 
mate the  FDM  signal  by  Gaussian  noise  with  the 
appropriate  bandwidth.   Fig  6  illustrates  how  to 


measure  a  4-kHz  channel  for  quietness  using  a  narrow- 
band notch  (bandstop)  filter  and  a  special  tuned 
receiver.  The  receiver  measures  the  noise  power  within 
the  4-kHz  notch. 

To  implement  testing,  you  first  switch  out  the  notch 
filter.  Then  using  the  receiver,  measure  the  rms  noise 
power  of  the  signal  within  the  notch.  Next,  switch  in 
the  notch  filter  and  evaluate  the  residual  noise  within 
the  slot.  NPR  thus  equals  the  ratio  of  the  two  readings 
expressed  in  decibels.  Check  several  slot  frequencies 
across  the  noise  bandwidth  (eg,  low,  midband  and  high) 
to  adequately  characterize  the  FDM  system. 

For  analysis  purposes,  plot  NPR  as  a  function  of  rms 
noise  level  referred  to  the  FDM  system's  peak  range. 
At  low  noise-loading  levels,  undesired  noise  exists 
primarily  as  thermal  activity,  independent  of  the  input 
noise  level.  Over  this  region  of  the  NPR  curve,  a  1-dB 
increase  in  noise  level  causes  a  1-dB  increase  in  NPR. 
At  increased  noise-loading  levels,  the  FDM  system 
amplifiers  overload,  creating  intermodulation  products 
that  increase  the  noise  floor.  With  further  input-noise 


Fig  6 — In  this  noise-power-ratio  (NPR)  test  setup,  the 

special  tuned  receiver  measures  the  input  signal's  rms  noise 
power  inside  a  narrow-band  notch  with  the  bandstop  filter 
out  of  the  circuit.  Next,  it  measures  the  noise  power  with  the 
bandstop  filter  included.  NPR  equals  the  ratio  of  the  two 
readings  expressed  in  decibels. 
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Digital  noise-power-ratio  tests 
pose  intricate  design  challenges 


increases,  overload  noise  effects  predominate  and 
dramatically  reduce  NPR.  In  practice,  FDM  systems 
usually  operate  at  a  noise-loading  level  of  a  few  decibels 
below  the  point  of  maximum  NPR. 

A  digital  system  containing  an  A/D  converter 
primarily  generates  quantizing  noise  within  the  notch 
filter's  slot  on  receiving  low  values  of  noise  input 
signals.  The  NPR  curve  tracks  linearly  in  this  region. 
As  the  noise  input  level  increases,  though,  clipping 
noise  caused  by  the  A/D  converter's  hard-limiting 
action  starts  to  prevail.  Fig  7  presents  a  set  of 
theoretical  NPR  curves  for  various  A/D  converters. 

In  a  practical  A/D  converter,  however,  dc  or  ac 
nonlinearities  cause  departures  from  the  theoretical 


A/D  RANGE  =  ±  V, 
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Fig  7 — In  A/D-converter-baaed  digital  systems,  theoretical 
NPR  curves  are  linear  at  low  noise-input-signal  levels. 
As  the  noise  input  levels  increase,  however,  the  AID 
converters  produce  clipping  noise  because  of  hard-limiting 
performance.  Note  that  the  NPR  values  peak  at  correspond- 
ing higher  levels  and  at  lower  rms  noise  levels  as  converter 
bit  resolutions  increase. 


NPR  values.  Although  the  NPR's  peak  value  occurs  at 
a  low  input-noise  level  (rms  noise =V4V0,  where 
±V0=A/D  converter's  input  range),  the  broadband 
nature  of  the  noise  signal  stresses  the  A/D  converter. 
Consequently,  NPR  tests  provide  worthwhile  dynamic- 
performance  measurements. 

Histograms  disclose  nonlinearity  effects 

Another  key  parameter  in  video  A/D-converter 
dynamic  testing  is  differential  nonlinearity,  which  often 
degrades  as  the  input-signal  frequency  increases.  You 
can  employ  histograms  to  help  analyze  this  problem:  To 
obtain  a  histogram  for  an  A/D  converter,  make  the 
sine-wave  input  frequency  noncoherent  with  the  sam- 
pling frequency.  Then,  take  many  A/D-converter 
samples  and  use  a  computer  to  calculate  the  number  of 
times  each  output  code  occurs  and  to  plot  these  results 
directly.  Analyze  the  results  for  missing  codes  and 
differential  nonlinearity. 

Because  the  probability  of  obtaining  digital  codes 
around  the  zero-crossing  point  proves  less  than  the 
probability  of  obtaining  codes  around  the  positive  or 
negative  peaks,  the  resulting  curve  traces  a  cusp  shape 
rather  than  a  flat  one.  Normalize  this  curve  by  using 
the  sine  wave's  probability  density  function.  Or  apply  a 
triangular  waveform,  rather  than  a  sine  wave,  to  the 
A/D  converter. 

Obtaining  a  histogram  for  a  10-bit  A/D  converter 
requires  a  large  buffer  memory.  To  get  100  samples  per 
code,  for  example,  buffer  memory  must  contain 
100x1024  or  102,400  locations. 

The  histogram  approach  furnishes  accurate  repre- 
sentations of  an  A/D  converter's  statistical  differential 
nonlinearity.  However,  a  video  A/D  converter's  actual 
differential-nonlinearity  characteristic  might  depend  on 
the  input  signal's  direction  of  change  and  rate  of 
change.  Thus,  positive-slewing  signals  might  produce 
different  differential  nonlinearity  characteristics  than 
negative-slewing  signals.  This  subtle  effect  clouds  the 
histogram's  results  for  A/D  converters  used  in  tran- 
sient- or  pulse-analysis  applications,  where  the  encoded 
signals  are  not  statistical  in  nature. 

Aperture-time  measurements  differ 

Heading  the  list  of  misunderstood  and  misused 
video-A/D-converter  specifications  is  aperture  time. 
Originally,  aperture-time  measurements  centered  on 
the  classic  sample/hold  circuit  (EDN,  April  14,  pg  41). 
Ideally,  a  sample/hold's  switch  possesses  zero  resis- 
tance when  closed  and  opens  instantly.  In  practice, 
though,  the  sampling  switch  transits  from  a  low  to  high 
resistance  over  some  finite  time  interval.  Accordingly, 
the  original  definition  holds — an  error  occurs  because 
the  input  signal  gets  averaged  over  the  finite  time 
interval  required  for  opening  the  switch.  The  sampled 
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Fig  9 — An  ideal  A/D  converter  without  aperture  jitter  shows 
only  one  code  on  a  histogram.  A  practical  converter  exhibits 
a  distribution  of  codes.  The  distribution's  calculated  sigma 
(a)  value  corresponds  to  the  rms  error  v 
the  rms  aperture  jitter. 


converters  that  operate  in  Continuous  mode,  in  which 
the  encode  command  is  always  present.  Some  applica- 
tions, however,  require  that  an  A/D  converter  operate 
in  Burst  mode,  in  which  the  ADC  operates  on  a  finite 
number  of  encode-command  pulses.  This  mode  com- 
monly occurs  in  radar  return-pulse  analysis  because  the 
A/D  converter  functions  in  an  idle  condition  except  for 
the  brief  time  that  encompasses  each  return  pulse. 

Burst-mode  operation  usually  places  more  stringent 
requirements  on  the  A/D  converter  than  continuous 
operation.  In  a  continuous  mode,  timing  and  track/hold 


circuits  reach  steady-state  conditions.  In  Burst  mode, 
however,  samples  taken  before  reaching  steady-state 
conditions  produce  errors.  A  track/hold  that  uses  a 
transformer  to  couple  the  switching  pulses  to  the  diode 
bridge  proves  particularly  error  susceptible. 

Fig  10  outlines  a  test  setup  for  evaluating  Burst- 
mode  converter  operation.  Use  the  variable  delay  to 
slide  the  burst  of  encode  commands  across  the  flat 
pulse.  Analyze  the  results  of  each  sample  pulse  with  a 
computer  or  appropriate  gating  circuits  on  the  A/D 
converter's  output.  Each  sample's  results  should  be 
identical  except  for  the  time  delay  that  separates  each 
individual  pulse  in  the  burst.  Differences  in  results 
indicate  the  presence  of  analog  memory,  which  might 
limit  the  A/D  converter's  use  in  certain  applications. 

A  preferred  method  for  handling  Burst-mode  applica- 
tions calls  for  operating  the  A/D  converter  continuously 
and  gating  the  digital  outputs  into  a  memory  during  the 
desired  command  intervals.  This  method  relieves 
unnecessary  stress  on  the  A/D  converter  and  accom- 
plishes the  same  result  as  actual  Burst  operation. 

Capturing  bandwidth  clipping 

You  can  use  Fig  ll's  test  setup  to  measure  a  video 
A/D  converter's  frequency  response  and  bandwidth 
(small  or  large  signal).  During  checkout,  hold  the 
input-signal  amplitude  constant  while  varying  the  input 
frequency  over  the  desired  range.  Analyze  the  A/D 
converter's  output  digitally  or  with  a  DAC  followed  by 
an  rms  voltmeter.  Using  a  voltmeter,  however,  limits 
the  filtered  DAC's  output  frequency  to  fs/2.2. 

A  quick  method  for  determining  an  A/D  converter's 
large-signal  bandwidth  involves  adjusting  the  input 
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Fig  10 — To  check  out  an  AID  converter's  Burst  mode,  in  which  it  operates  as  directed  by  a  finite  number  of  encode-command 
pulses,  you  adjust  the  variable  delays  in  this  test  setup  to  slide  the  burst  of  encode  commands  across  the  flat  input  pulse  to  the  AID 
converter.  Analyze  the  sample  pulses  with  a  computer  or  appropriate  gating  circuits  connected  to  the  converter's  output.  Each 
sample  should  produce  identical  test  results  except  for  the  time  delay  that  separates  each  pulse  in  the  burst. 
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voltage,  therefore,  does  not  exactly  correspond  to  tne 
voltage  at  the  instant  the  switch  starts  to  open,  and  the 
time  required  to  open  the  switch  represents  the 
aperture  time.  The  aperture  error,  according  to  the 
original  definition,  therefore  equals 

Ea  =  tadV/dt,  (1) 

where: 

Ea=  aperture  error 
t,= aperture  time 

dV/dt=rate  at  which  the  input  signal  changes. 

A  simple  first-order  analysis,  which  neglects  nonlin- 
ear effects,  reveals  that  no  real  aperture  error  exists 
for  such  a  switch.  Instead,  so  long  as  the  switch  opens 
repeatably,  an  effective  fixed  sampling-time  delay 
exists — the  time  between  encode-command  arrival  and 
the  opening  of  the  ideal  zero-opening-time  switch. 
(Note  that  you  can  include  logic  propagation  delays  in 
the  encode-command  path  to  modify  this  time  interval.) 
Unfortunately,  most  manufacturers  still  refer  to  this 
delay  as  aperture  time. 

True  aperture  errors,  on  the  other  hand,  result  from 
variable  time  delays.  These  errors  generally  emanate 
from  several  sources:  In  a  practical  A/D  converter,  the 
encode-command  signal  often  gets  phase-modulated  by 
an  unwanted  source — random  noise,  power-line  fre- 
quency or  digital  noise — because  of  faulty  grounding 
techniques.  You  can  express  the  resulting  error  in 
terms  of  an  rms  time  jitter,  termed  aperture  jitter.  The 
corresponding  rms  voltage  error  caused  by  aperture 
jitter  qualifies  as  a  valid  aperture  error. 

An  A/D  converter's  aperture-jitter  spec  sometimes 
gets  interpreted  as  a  measure  of  the  device's  ability  to 
encode  rapidly  changing  input  signals  accurately. 
However,  although  important,  the  aperture-jitter  spec- 
ification does  not  define  the  whole  encoding  process. 
Therefore,  an  A/D  converter  with  an  impressive 
aperture-jitter  specification  still  might  not  accurately 
digitize  a  sine  wave  having  a  maximum  slew-rate 
calculated  from  Eq  1. 

Typical  aperture-time  test  examples 

For  example,  assume  that  a  20-MHz,  10-bit  A/D 
converter  has  a  ±V0  bipolar  input  range  (2V0  p-p)  and  a 
10-psec  rms  aperture-jitter  specification.  To  calculate 
the  maximum  aperture  error,  convert  the  rms  aperture 
jitter  into  a  maximum  value  rather  than  an  rms  one.  If 
you  assume  that  aperture  jitter  follows  a  Gaussian 
distribution  similar  to  white  noise,  the  rms  aperture 
jitter  (ta)  corresponds  to  the  distribution's  cr  value.  The 
distribution's  2o-  point  thus  becomes  the  proper  place  to 
set  the  maximum  value;  the  maximum  aperture  jitter 
therefore  equals  2ta. 

If  you  set  the  corresponding  maximum  voltage  error 
(AV)  at  a  full-scale  sine  wave's  zero  crossing  to  V2  LSB 


(.wnere  y2LiOB=zv  <>/£"'  ana  i\=numueroi  resumuuu 
bits),  you  can  then  calculate  the  maximum  full-scale 
sine-wave  frequency  (fsiAx)  that  produces  the  V2-LSB 
aperture  error: 

v(t)  =  V0  sin  27rft  (2) 


dv 
dt 


dv  I 
dt 


=  27rfVo  cos  2-n-ft 


~  27rVofMAX  , 


(3) 


thus  yielding 


flUAX  - 


Av 


27rVo/2N  +  1 
4-7rV0ta 


27Tta2N  +  1  - 


If  ta=10  psec  rms  and  N  =  10,  fMAx=7.8  MHz.  These 
calculations  imply  that  the  20-MHz  A/D  converter 
under  test  can  accurately  digitize  a  7.8-MHz  FS  sine 
wave.  In  practice,  however,  the  A/D  converter  might 
suffer  from  skipped  codes,  decreased  SNR  and  ac 
nonlinearities  at  much  lower  frequencies.  These  other 
limitations  to  good  high-frequency  performance,  might, 
in  fact,  eclipse  errors  caused  by  the  sample/hold's 
aperture  jitter. 

Similarly,  you  can  calculate  aperture-jitter  effects  on 
full-scale  sine-wave  SNR  using  Eqs  2  and  3  and  the 
following  expression: 

dv  I       =  27rfV0 

dt  I  RMS  V2 

Substituting  rms  error  voltage  (AVrms)  and  rms 
aperture  jitter  (tj  into  Eq  4  yields 


(4) 


AvR 


27rfV0 


t.  V2 

27TfVota 


AvRMS  = 


V2  ' 


The  rms-signal-to-rms-noise  ratio  expressed  in  decibels 
thus  becomes 


SNR  =  20 


log[ 


V0/V21 

AvRMS  J 


20 


dB.  (5) 


Consider  again  the  10-bit,  20-MHz  A/D  converter 
with  a  10-psec  rms  aperture  jitter.  For  an  8-MHz 
full-scale  input,  the  SNR  arising  only  from  aperture 
jitter  totals  66  dB,  as  calculated  from  Eq  5.  The 
theoretical  SNR  due  to  quantizing  noise  in  a  10-bit  A/D 
converter  equals  62  dB.  Combining  the  two  SNR 
decibel  values  results  in  a  theoretical  60.5-dB  SNR;  this 
final  value  encompasses  the  ideal  quantizing  noise  and 
the  aperture-jitter  noise.  From  Fig  5's  curves,  observe 
that  a  practical  A/D  converter  having  the  same 
aperture-jitter  spec  achieves  only  a  50-dB  SNR. 

From  this  analysis,  you  can  logically  conclude  that 
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Histogram  plots  aid  search  for 
defective  transfer  functions 


the  SNR  specification  more  closely  defines  video-A/D- 
converter  performance  than  does  the  aperture-jitter 
specification.  Relying  solely  on  the  aperture-jitter 
specification  therefore  creates  an  erroneous  deduction 
about  the  converter's  actual  dynamic  performance. 

Measuring  aperture  jitter 

Fig  8  depicts  the  test  setup  for  measuring  an  A/D 
converter's  aperture  jitter.  The  encode-command  sig- 
nal and  the  analog  input  signal  derive  from  the  same 
low-jitter  pulse  generator  to  minimize  the  phase  jitter 
between  them. 

To  test,  adjust  the  phase  shifter  until  the  A/D 
converter  repetitively  samples  the  sine  wave  at  its 
midscale  point  of  maximum  slew  rate.  Set  the  bit 
switches  to  the  A/D  converter's  midscale  code:  0111. ..1. 
Adjust  the  phase  shifter  again  for  a  maximum  reading 
on  the  frequency  counter.  Examine  the  midscale  code's 
frequency  of  occurrence  as  well  as  the  frequency  of 
occurrence  of  several  codes  above  and  below  this  value. 
Using  this  information,  plot  a  histogram  (Fig  9). 

An  ideal  A/D  converter  with  no  aperture  jitter  would 
present  only  one  code  on  the  histogram.  In  contrast,  a 
practical  converter  exhibits  a  distribution  of  codes.  The 


distribution's  calculated  o-  corresponds  to  the  rms  error 
voltage  (AVrms)  produced  by  the  rms  aperture  jitter 
(ta).  Calculate  the  aperture  jitter  (tj  as  follows: 
Av„ 


'  RMS 

dV/dt  ' 

where  dV/dt  equals  the  sine  wave's  rate  of  change  at  a 
zero  crossing. 

If  you  attenuate  the  input  sine  wave  sufficiently,  the 
distribution  spread  around  the  nominal  code  results 
from  intrinsic  A/D-converter  noise.  As  the  input  sine 
wave  increases  in  amplitude,  the  slew  rate  (dv/dt) 
becomes  proportionally  greater,  and  the  distribution 
begins  to  spread  because  of  aperture  jitter.  Take  care 
when  interpreting  a  histogram  for  high-slew-rate 
inputs  because  high  slew  rates  also  affect  the  convert- 
er's ac  differential  linearity. 

The  offset  trimming  pot  lets  you  position  the  sine 
wave  at  different  A/D-converter  range  points.  In  this 
manner,  you  can  plot  histograms  around  several 
nominal  codes  and  attribute  variations  to  range- 
dependent  differential-linearity  characteristics.  Don't 
exceed  the  A/D  converter's  range  during  this  offset 
adjustment,  however. 

The  tests  presented  so  far  aim  at  video  A/D 
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Fig  8 — This  test  setup  measures  an  AID  converter's  aperture  jitter.  To  operate,  you  adjust  the  phase  shifter  until  the  AID  converter 
repetitively  samples  the  analog  input  sine  wave  at  its  midscale  point  of  maximum  slew  rate.  Next,  you  set  the  bit  switches  to  the 
converter's  midscale  code.  Then,  you  readjust  the  phase  shifter  for  a  maximum  reading  on  the  frequency  counter.  The  frequency  of 
occurrence  of  the  midscale  and  adjacent  codes  indicate  aperture  jitter  when  plotted  on  a  histogre- 
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Be  sure  to  thoroughly  understand 
aperture-time-spec  variations 


sine  wave  until  the  DAC  indicates  A/D-converter 
output  clipping;  observe  this  condition  on  an  oscillo- 
scope connected  across  the  DAC's  output,  before 
deglitching  and  filtering  stages.  Increase  the  input 
frequency  and  readjust  the  input  level  to  cause 
clipping.  An  increase  in  input-signal  level  required  to 
cause  clipping  corresponds  to  a  decrease  in  A/D 
converter  gain;  a  decrease  in  input  level  implies  an 
increase  in  gain.  This  test  method  also  yields  frequency 
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Fig  11 — This  test  setup  measures  an  AID  converter's 
frequency  response  and  small-  or  large-signal  bandwidth. 
During  testing,  you  hold  the  input  signal  amplitude  constant 
while  varying  the  input  frequency  over  the  desired  range. 
You  can  analyze  the  converter's  output  digitally  or  with  a  DAC 
followed  by  an  rms  voltmeter. 


nents  above  the  Nyquist  limit. 
Note  that  a  good  bandwidth  specification  does  not 
always  ensure  that  the  A/D  converter's  dynamic 
performance  is  satisfactory  at  higher  input  frequencies. 
Thus,  an  A/D  converter  having  a  wide  bandwidth 
might  still  exhibit  inadequate  SNR,  NPR  or  harmonic 
;ion  at  higher  frequencies;  carefully  check  it 
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AD671  12-Bit,  2  MHz  ADC  Digitizes  CCD  Outputs 
for  Imaging  Applications 

by  Elwyn  Davies 


INTRODUCTION 

Charge  coupled  devices  (CCDs)  are  widely  available  in 
two  basic  configurations  -  linear  arrays  and  area  arrays. 
CCD  area  arrays  are  commonly  used  in  video  applica- 
tions. Linear  arrays  are  used  in  a  broad  range  of  appli- 
cations including  facsimile  machines,  graphics  scanners 
and  pattern  recognition  equipment. 

This  application  note  explains  how  the  AD671  12-bit 
resolution,  2  MHz  analog-to-digital  converter  (ADC)  can 
be  used  to  digitize  the  output  from  CCD  linear  arrays  for 
use  in  some  popular  imaging  applications,  in  particular 
graphics  image  scanners,  a  simplified  functional  dia- 
gram of  which  is  shown  in  Figure  1. 

CCD  OVERVIEW 

A  brief  review  of  CCD  operation  and  terminology  is  use- 
ful at  this  stage  in  order  to  appreciate  the  following 
application  examples. 

The  CCD  contains  a  large  number  of  photosensitive  sub- 
elements  called  photosites  or  pixels  which  are  arranged 
either  in  a  single  row  in  the  case  of  linear  arrays  or  in  a 
matrix  pattern  as  for  area  arrays. 

The  resolution  (spatial)  of  a  CCD  is  expressed  as  the 
number  of  pixels  or  photosites  which  it  contains. 


The  dynamic  range  of  a  CCD  is  the  ratio  of  the  saturation 
exposure  level  divided  by  the  rms  noise  equivalent  ex- 
posure level.  Alternatively,  dynamic  range  is  expressed 
as  the  ratio  of  the  saturation  exposure  level  divided  by 
the  peak-to-peak  noise  equivalent  exposure  level.  For 
the  purpose  of  CCDs,  peak-to-peak  noise  is  assumed  to 
be  four  to  six  times  greater  than  rms  noise.  Thus  the 
peak-to-peak  noise  definition  of  dynamic  range  yields  a 
four  to  six  times  lower  figure  than  the  rms  noise 
definition. 

In  contrast,  the  resolution  of  an  analog-to-digital  con- 
verter (ADC)  is  expressed  as  the  number  of  bits  of  its 
digital  output.  This  figure  is  the  number  of  discrete  ADC 
input  levels  which  the  converter  output  can  represent. 
The  dynamic  range  of  the  ADC  is  the  ratio  of  the  full- 
scale  output  code  (2n  for  an  n-bit  ADC)  to  the  smallest  of 

these  output  codes  (1).  Resolution  and  dynamic  range  of 

...  .  •  .  ,  ■ 

an  ADC  are  commonly  but  incorrectly  assumed  to  mean 

the  same  thing.  This  mistake  can  lead  to  confusion  with 

regard  to  CCD  specifications. 

The  basic  topology  of  a  linear  array  CCD  consists  of  a 
row  of  image  sensor  elements  otherwise  known  as  pho- 
tosites or  pixels  which  are  illuminated  by  light  from  the 
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Figure  1.  Graphics  Image  Scanner  Functional  Diagram 
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During  one  exposure  period  each  photosite  is  loaded 
with  an  amount  of  charge  which  is  proportional  to  the 
illumination  level  present  on  it.  In  the  case  of  the 
CCD191  (a  6000  photosite  linear  array  CCD  manufac- 
tured by  Fairchild  Weston)  the  exposure  period  is  the 
time  between  the  trailing  edges  of  the  cf>x  pulse  train. 
(See  Figure  4.) 

Each  of  these  photosite  charge  packets  is  subsequently 
switched  simultaneously  via  a  transfer  gate  to  an  analog 
transport  shift  register.  The  charge  packets  on  this  shift 
register  are  clocked  serially  to  a  charge  detector  and 
buffer  amplifier  which  convert  them  into  a  string  of 
photo  dependent  output  voltage  levels. 


An  extension  of  this  basic  scheme  consists  of  two  trans- 
fer gate/analog  shift  register  combinations  each  of 
which  transfers  the  charge  packets  from  either  the  odd 
or  even  photosites,  respectively.  This  system  allows 
faster  output  of  data  from  the  CCD. 

While  the  charge  packets  from  the  preceding  exposure 
are  being  clocked  out  serially  to  the  charge  detector, 
another  exposure  period  is  underway. 

CHOICE  OF  ADC 

When  choosing  an  appropriate  ADC  to  use  with  a  partic- 
ular CCD,  the  resolution  of  the  ADC  is  usually  chosen  to 
be  as  close  to  (but  usually  lower  than)  the  dynamic 





THE  AD671  SUBRANGING  ADC 

The  AD671  is  a  monolithic  12-bit  ADC  which  converts  at 
rates  up  to  2  MHz.  Figure  2  shows  the  internal  functional 
diagram  of  the  AD671.  It  can  be  configured  to  accept 
either  unipolar  0  to  +5Vor0to  +10  V  or  bipolar  -5Vto 
+5  V  input  ranges. 

The  AD671  uses  a  successive  subranging  conversion 
technique  with  digital  error  correction  for  errors  intro- 
duced in  the  first  part  of  the  conversion  cycle.  An  on- 
chip  timing  generator  provides  strobe  pulses  for  each  of 
the  four  internal  flash  cycles  which  combine  to  form  the 
overall  conversion  algorithm.  A  single  active  high  en- 
code pulse  applied  by  the  user  to  the  device  initiates  the 
entire  conversion. 

Upon  receipt  of  an  encode  command,  the  first  3-bit  flash 
ADC  converts  the  analog  input  voltage.  The  3-bit  result 
is  passed  to  a  correction  logic  register  and  a  3-bit  reso- 
lution, 13-bit  accurate  DAC.  The  DAC  output  is  sub- 
tracted from  the  analog  input  creating  a  residue  voltage 
which  is  less  than  one  eighth  of  the  full-scale  analog 
input. 


This  residue  is  applied  to  the  input  of  a  second  3-bit 
flash  converter  and  to  a  high  speed  differential  gain  of 
four  amplifier.  The  result  from  this  second  flash  conver- 
sion is  passed  to  the  correction  logic.  It  is  also  recon- 
verted back  to  analog  form  by  a  second  3-bit  resolution, 
13-bit  accurate  DAC.  The  output  of  this  DAC  is  sub- 
tracted from  the  voltage  applied  to  the  second  flash 
converter  by  the  differential  amplifier  and  multiplied  by 
a  factor  of  four. 

The  differential  output  is  connected  to  a  two  stage  8-bit 
flash  converter  which  consists  of  coarse  and  fine  4-bit 
flash  converters.  The  coarse  4-bit  flash  converter  is  also 
configured  to  overlap  one  bit  of  the  second  3-bit  DAC. 
The  result  of  this  coarse  4-bit  converter  is  connected  to 
the  correction  logic  register  and  also  selects  one  of  16 
resistors  from  which  the  fine  4-bit  flash  will  establish  its 
span  voltage.  The  result  of  the  fine  4-bit  flash  converter 
is  directly  applied  to  the  output  latches. 
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Figure  2.  AD671  Internal  Functional  Diagram 
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range  of  the  CCD  defined  by  the  peak-to-peak  noise 


The  choice  of  conversion  speed  of  the  ADC  is  deter- 
mined by  the  maximum  clock  frequency  at  which  the 
CCD  is  required  to  be  operated. 

In  many  cases,  however,  the  minimum  conversion  time 
of  the  particular  ADC,  which  system  cost  budgets  can 
afford,  is  a  major  factor  in  limiting  the  actual  rate  at 
which  the  CCD  is  clocked. 

GRAPHICS  IMAGE  SCANNERS 

Figure  1  shows  the  functional  diagram  of  a  graphics 
image  scanner.  This  diagram  shows  the  popular  system 
which  uses  a  stationary  flat  bed,  on  which  is  placed  the 
picture  and/or  text  to  be  scanned,  and  a  moving  CCD 
linear  array.  Less  common  alternative  systems  use  a 
stationery  CCD  and  a  movable  bed. 

The  axis  of  the  CCD  linear  array  of  photosites  is  orthog- 
onal to  the  axis  of  motion  of  the  bed  and  parallel  to  the 
plane  of  the  bed. 

Light  from  the  scanned  picture/text  is  focused  on  the 
CCD  via  a  focusing  lens.  The  position  of  the  CCD  array 
sensor  assembly  relative  to  the  bed  is  accurately  set  by 
means  of  a  stepper  motor  and  worm  gear  or  other  pre- 
cision rotary  to  linear  mechanical  transformer.  More  ac- 
curate systems  use  dc  linear  motors  and  position  servo 
control  loops  instead  of  stepper  motors. 

The  CCD  array  is  typically  mounted  on  a  printed  circuit 
board  which  also  contains  components  for  generating 
the  digital  control  signals  for  the  CCD  and  the  ADC  for 
digitizing  the  CCD  output  signals.  This  PCB  would  con- 
stitute the  movable  sensor  assembly.  It  is  essential  that 
careful  attention  is  paid,  on  this  movable  PCB,  to  the 
decoupling  of  power  supplies,  screening  of  stray  noise 
from  the  motor  and  reduction  of  digital  feedthrough  to 
avoid  corrupting  the  analog  signal  from  the  CCD  prior  to 
its  digitization  by  the  ADC. 

The  CCD's  digitized  output  is  subsequently  routed,  typi- 
cally via  flexible  ribbon  cable,  to  a  stationary  digital 
processing  board  where  various  digital  algorithms  can 
be  performed  to  compensate  for  those  photosites  re- 
sponse nonuniformities  (PRNU)  within  the  CCD  array. 
For  example,  if  the  output  of  a  particular  photosite  is  out 
of  range,  then  the  average  value  of  the  previous  current 
and  following  pixels'  outputs  is  used  instead.  This  can 


enhance  the  quality  of  the  final  image.  It  also  allows 
lower  grades  of  CCD,  which  typically  exhibit  greater 
numbers  of  PRNUs,  to  be  used,  thus  lowering  system 
costs. 

The  control  of  the  exposure  timing  of  the  CCD  must  be 
synchronized  to  the  movement  of  the  stepping  motor. 
This  can  be  done,  for  example,  by  using  the  high  going 
edge  of  the  <t>x  pulse  of  the  CCD191  (see  Figure  4)  to 
clock  the  stepping  motor  to  its  next  detent  position.  In 
this  case  one  must  ensure  that  the  length  of  the  <|>x  pulse 
is  sufficient  for  mechanical  settling  to  the  new  position 
to  have  occurred  prior  to  the  next  exposure  period. 

Alternatively  the  CCD  timing  can  be  slaved  to  the  step- 
per motor  master  control  signals.  In  this  case  the  step- 
per motor  pulses  would  gate  the  start  of  the  linear  array 
exposure  period. 

The  monochrome  system  described  above  can  be  ex- 
tended to  full  color  capability  by  using  three  such  sys- 
tems in  parallel.  Red,  green  and  blue  filters,  respectively, 
are  applied  in  front  of  the  individual  CCDs.  The  three 
color  components,  which  are  digitized  simultaneously, 
can  be  subsequently  used  to  reconstruct  the  original 
color  image. 

Alternatively,  color  can  be  provided  by  a  single  channel 
system  by  applying  red,  green  and  blue  filters  sequen- 
tially in  front  of  the  same  CCD.  Each  filter  is  placed  in 
front  of  the  CCD  for  one  complete  monochrome  scan 
period.  This  system  costs  less  to  implement  but  is  three 
times  slower  than  the  aforementioned  scheme. 

DIGITIZING  THE  PHOTO  SIGNALS 

The  two  analog  outputs  from  a  two  output  channel  CCD 
linear  array  can  be  digitized  either  simultaneously,  using 
one  ADC  per  output,  or  sequentially  using  a  single  ADC 
preceded  by  a  suitable  multiplexer  to  switch  between 
the  two  channels. 


In  practice,  the  multiplexed  output  method  is  the  most 
popular  because  it  uses  one  ADC  as  opposed  to  two 
for  the  simultaneous  conversion  technique.  It  also  obvi- 
ates the  need  for  subsequent  digital  multiplexing  hard- 
ware, or  software  overhead  for  odd/even  pixel  data 
interleaving. 

Figures  3a,  3b,  and  3c  together  show  the  circuit  diagram 
of  a  system  for  digitizing  the  multiplexed  outputs  of  the 
CCD191  linear  CCD  array. 
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Figure  3c.  Linear  Array  CCD  -  Digital  Control  Circuit 
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Basic  operation  of  the  CCD  is  achieved  by  applying  a 
number  of  synchronized  clocks  and  control  pulses  to  the 
appropriate  inputs  of  the  CCD.  The  phase  relationships 
of  the  various  inputs  necessary  for  multiplexed  output 
operation  are  shown  in  Figure  4.  Also  shown  is  their 
phase  relationship  to  the  odd  pixel  (Channel  A)  and  even 
pixel  (Channel  B)  analog  outputs. 

CCD  OUTPUT  CONSIDERATIONS 

Many  of  the  processing  steps  which  are  used  for  the 
fabrication  of  CCDs  are  similar  to  those  used  for  NMOS 
technology.  It  is  not  surprising,  therefore,  that  NMOS 
circuit  elements  are  the  most  convenient  and  cost  effec- 
tive to  be  integrated  on  the  same  chip  as  the  CCD. 
NMOS  is  ideal  for  the  low  leakage  analog  transport  shift 
registers  and  high  input  impedance  gated  charge  detec- 
tors which  are  found  on  most  CCD  ICs.  The  gated  feature 
of  these  charge  detectors  allows  them  to  operate  like 
sample-and-hold  amplifiers  (SHAs).  Thus  it  is  not  neces- 
sary to  add  external  SHAs  though  it  may  be  useful  to  do 
so  in  nonmultiplexed  configurations.. 

However,  NMOS  is  not  suitable  for  producing  wide 
bandwidth  and  low  output  impedance  amplifiers.  The 
output  impedance  of  the  output  amplifier  of  the  CCD1 91 , 
for  instance,  is  1  kO.  Any  bias  current  or  leakage  due 
to  following  circuitry  which  flowed  through  this  high 
output  impedance  could  introduce  intolerably  high  er- 
rors into  the  system. 

It  is,  therefore,  essential  to  connect  a  suitable  high  input 
impedance,  wideband  and  low  output  impedance  buffer 
to  each  analog  output  of  the  CCD. 


The  AD843  FET  input  wideband  operational  amplifier, 
which  offers  34  MHz  unity  gain  bandwidth  and  0.6  nA 
bias  current  is  ideal  for  this  function. 

PRESCAN  REFERENCE  PHASE 

The  sequential  pixel  analog  outputs  from  the  CCD  are 
applied  to  the  following  subsequent  digitization  circuitry 
during  the  readout  phase.  The  first  ten  odd  and  first  ten 
even  pixels  of  this  readout  phase  contain  black  level 
reference  information  which  effectively  allows  for  tem- 
perature calibration  of  the  CCD  and  black  level  matching 
of  the  odd  and  even  pixel  channels. 

During  this  reference  phase  the  dynamic  clamp  circuits 
store  any  standing  dc  offset  which  may  be  present  on 
the  CCD  output.  This  is  done  by  switching  on  the  PNP 
transistors  in  the  dynamic  clamp  stages  shown  in  Fig- 
ure 3  thus  allowing  the  0.1  (iF  capacitors  to  charge  up  to 
the  standing  dc  output  voltage.  When  the  reference 
phase  is  complete,  the  PNPs  are  switched  off  thus  allow- 
ing the  0.1  ixF  capacitors  to  couple  any  residual  ac  signal 
through  to  the  following  circuitry  and  also  to  strip  the  dc 
content,  which  may  be  several  volts,  from  it. 

The  output  from  the  dynamic  clamp  stage  is  a  0  to  -1  V 
ac  signal.  The  74HC4017  decade  counter  shown  in  Fig- 
ure 3c,  which  is  configured  to  count  ten  clock  pulses 
before  being  reset,  is  used  to  time  out  the  prescan  refer- 
ence phase.  Only  during  this  phase  are  the  dynamic 
clamp  PNP  switches  turned  on. 
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BLACK  BALANCE 

ance."  A  simple  circuit  which  allows  the  user  to  pertorm 
"black  balance"  is  shown  in  Figure  5. 

This  circuit  can  be  inserted  into  the  signal  path  at  the 
output  of  the  dynamic  clamps  as  indicated  in  Figure  3a. 
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Figure  5.  Linear  Array  CCD 
Black  Level  Balance  Circuit 
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WHITE  BALANCE 

Gain  mismatch  between  the  CCD's  odd  and  even  pixel 
channel  outputs  produce  mismatches  in  white  level  of 
the  final  digitized  signal.  Compensation  for  this  mis- 
match is  known  as  "white  balance"  and  can  be  per- 
formed by  adjusting  the  ground  connected  wiper  of  the 
10  k  potentiometer  as  shown  in  Figure  3b. 

CCD  OUTPUT  SATURATION  VOLTAGE 

The  CCD191  has  a  typical  output  saturation  voltage  of 
3  V.  This  is  higher  than  the  ±2  V  signal  range  which  the 
AD9300  video  multiplexer  can  directly  handle.  It  is, 
therefore,  necessary,  when  using  the  CCD191,  to  attenu- 
ate the  output  of  the  clamping  stage  by  a  typical  factor 
of  two  (see  Figure  3b)  prior  to  the  AD9300.  The  maxi- 
mum output  saturation  voltage  of  the  CCD191  is  4.5  V 
which  would  require  an  attenuation  factor  of  2.25. 

However,  most  CCDs  have  a  typical  output  saturation 
voltage  of  only  1  V  and  would,  therefore,  not  need  atten- 
uation of  their  outputs. 

In  order  to  match  the  output  saturation  voltage  of  the 
particular  CCD  to  the  full-scale  input  range  of  the  AD671 
it  is  necessary  to  trim  the  gain  of  the  pre  amp  (AD843)  to 
the  ADC  via  a  potentiometer  in  its  feedback  path  as 
shown  in  Figure  3b. 


ODD/EVEN  PIXEL  MULTIPLEXING 

and  their  relationship  to  the  A  (odd)  and  B  (even)  chan- 
nel CCD  video  outputs. 

The  multiplexer  must  have  adequate  bandwidth  and 
slew  rate  to  accommodate  the  worst  case  change  of 
signal  level  from  one  pixel  to  its  neighbor.  This  corre- 
sponds to  a  0  V  to  full-scale  change  or  vice  versa  at 
every  pixel  transition.  For  an  input  clock  frequency  of 
1  MHz  (corresponding  to  a  pixel  rate  of  2  MHz)  this  level 
change  would  occur  every  500  ns.  A  raw  rule  of  thumb 
guide  is  that  the  analog  bandwidth  of  the  multiplexer 
and  amplifiers  should  be  at  least  five  times  this  clock 
rate  in  order  to  retain  adequate  gain  flatness  over  the 
1  MHz  pixel  bandwidth  (1/2  the  pixel  rate).  The  34  MHz 
full  power  bandwidth  of  the  AD9300  easily  satisfies  this 
criterion. 

The  settling  time  of  the  AD9300  (to  0.1%  of  full-scale 
output)  is  typically  70  ns  (100  ns  maximum).  Thus  for  a 
maximum  pixel  to  pixel  signal  change  of  1  V,  it  would 
seem  that  at  least  70  ns  must  be  allowed  for  the  output 
of  the  multiplexer  to  have  settled  before  the  ADC  con- 
version begins. 

However,  the  following  section  explains  why  this  initial 
100  ns  need  not  be  expended  prior  to  the  start  of  the 
ADC  conversion. 

AD671  CONVERSION  ALGORITHM  EASES  SETTLING 
TIME  REQUIREMENTS 

The  novel  architecture  and  conversion  algorithm  of  the 
AD671  allow  the  converter  to  commence  conversion  be- 
fore the  input  signal  has  settled  to  the  final  desired 
accuracy.  In  fact,  the  input  needs  to  have  settled  to 
within  only  five  bits  accuracy  of  its  final  value  in  50  ns 
and  to  within  10  bits  accuracy  in  250  ns.  Both  of  these 
times  are  measured  from  the  instant  at  which  the  con- 
vert start  command  is  applied  to  the  AD671  (rising  edge 
of  ENCODE  pulse). 

The  AD9300  video  multiplexer  combined  with  the  fast 
settling  AD843  op  amp  at  its  output,  shown  in  Figure  3b, 
will  meet  both  of  these  settling  time  requirements  for 
1  V  full-scale  signals. 

This  means  that  valuable  settling  time  overhead  is  saved 
and  the  AD671  has  the  whole  of  the  50%  of  the  CCD 
clock  period  (see  <t>1A,  4>2B,  4>2A,  <|>1B  of  Figure  4)  avail- 
able for  conversion.  Note  that  the  new  pixel  output  sig- 
nal must  settle  to  the  intermediate  accuracy  required  by 
the  AD671,and  the  ADC  must  complete  its  conversion 
within  half  a  clock  period. 
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Figure  6.  Linear  Array  CCD  -  Multiplexed  Output  Digitizing  Timing  Diagram 


DRIVING  THE  ANALOG  INPUT  TO  THE  AD671 

To  achieve  accurate  conversion  it  is  essential  that  a 
wideband  buffer  or  amplifier  is  connected  at  the  input  to 
the  AD671.  The  chosen  amplifier  should  exhibit  a  low 
(less  than  1  SI)  output  impedance  at  frequencies  in  ex- 
cess of  10  MHz  in  order  that  its  output  can  supply  the 
rapidly  varying  input  currents  to  the  AD671  while  its 
output  voltage  remains  essentially  constant. 

The  range  of  the  CCD  pixel  signal  at  the  output  of  the 
AD9300  multiplexer  is  0  V  to  approximately  -1  V.  A  gain 
factor  of  approximately  -5  should  be  applied  to  this 
signal  in  order  to  present  the  correct  input  signal  range 
(5  V)  and  polarity  (+)  to  the  AD671. 

Furthermore,  a  high  input  impedance  amplifier  should 
be  used  at  the  output  of  the  AD9300  to  avoid  errors  due 
to  multiplexer  on-resistance  and  amplifier  bias  current 
products. 

The  AD843  FET  input  amplifier  has  low  bias  current 
(1  nA)  and  wide  bandwidth  (34  MHz  GBW),  and  when 
configured  for  a  gain  of  -5,  fulfills  all  the  above  require- 
ments of  an  input  amplifier  for  the  AD671. 

REFERENCE  INPUT  TO  THE  AD671 

The  AD671  requires  an  external  5  V  reference.  The 
AD586  provides  a  convenient  5  V  reference.  Its  output 
should  be  decoupled  with  a  6.8  u.F  capacitor  as  shown  in 
Figure  3b. 


GROUNDING  AND  DECOUPLING 

It  is  essential  that  careful  attention  is  paid  to  good 
printed  circuit  board  layout  and  decoupling  techniques 
in  order  to  achieve  the  desired  performance  from  the 
graphics  image  scanning  system  shown  in  Figures  3a, 
3b  and  3c.  The  power  supply  pins  of  each  IC  should  be 
individually  decoupled  with  a  4.7  ^F  tantalum  and  a 
100  nF  ceramic  capacitor  in  parallel.  The  capacitors 
should  be  situated  as  close  to  the  pins  as  possible  with 
the  ceramic  one  nearest  to  the  device. 

Ground  planes  should  be  used  to  isolate  digital  control 
signals  from  sensitive  analog  signals. 
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Simple  Circuit  Provides  Ratiometric  Reference  Levels  for 
AD782X  Family  of  Half-Flash  ADCs 


by  John  Wynne 


The  8-bit  AD782X  family  of  high  speed  ADCs  comprises 
of  the  following: 

-AD7820;  Single  Channel,  Unipolar,  1.36  p.s  conversion 
time. 

-AD7821;  Single  Channel,  Unipolar  or  Bipolar,  660  ns 
conversion  time  (improved  version  of 
AD7820). 


-AD7824;  Four  Channel,  Unipola 
time  per  channel. 


2.5  ixs  conversion 


-AD7828;  Eight  Channel,  Uni 
time  per  channel. 


idar,  2.5  us  conversion 


All  of  the  converters  run  off  of  a  single  +5  V  supply  to 
convert  positive  input  signals.  Additionally  the  AD7821 
can  convert  negative  input  signals  if  its  Vss  pin  is  tied  to 
-5  V.  Refer  to  the  individual  data  sheets  for  more  com- 
plete information  on  the  devices.  This  application  note 
presents  a  circuit  which  can  provide  ratiometric  refer- 
ence voltages  suitable  for  use  with  the  AD782X  family  of 
half-flash  ADCs. 

The  circuit  in  Figure  1  accepts  a  positive  input  reference 
voltage  VREF  and,  by  implicit  feedback,  generates  two 


•ADDITIONAL  CIRCUITRY  OMITTED  FOR  CLARITY 
"AD7820  &  AD7821  -  SINGLE  CHANNEL, 
AD7S24  -  FOUR  CHANNEL.  AD7828  -  EIGHT  CHANNEL 

Figure  7.  V„EF(+),  VREF(-)  Generator  with  AD782X  ADC 


additional  reference  voltages,  VR 


-)  and  VR 


"refv  /. 

equally  spaced  above  and  below  the  original  input  refer- 
ence level.  The  width  of  this  window,  determined  by  the 
ratio  of  R1  to  R2,  is  a  fixed  percentage  of  the  input 
reference  voltage  and  remains  a  fixed  percentage  inde- 
pendent of  the  actual  value  of  the  reference  level.  Thus 
the  window  tracks  the  reference  voltage.  When  used 
with  ADCs  such  as  the  AD782X  family,  which  have  sep- 
arate VREF(  +  )  and  VREF(-)  inputs  to  impress  a  reference 
voltage  across  a  resistor  string,  the  circuit  can  generate 
programmable  ratiometric  reference  levels  to  effectively 
increase  the  resolution  of  the  ADC.  With  the  added  ad- 
vantage of  single  supply  operation  the  circuit  can  find 
uses  in  such  applications  as  power  supply  monitoring, 
limit  detection,  head  positioning  servos'  in  disc  drives, 
etc. 

From  Figure  1  the  expressions  for  VREF(+)  and  VREF(-) 


VW(  +  >  =  2  VREF 


1 


vW(-)  =  2  V, 


REF-. 


where:  X  = 


1+X 

X 
1+X 
VREF(  +  )X 
R2 


(1) 
(2) 


fi1  +  R2 

If  a  span  voltage,  VSPAN,  is  defined  as  the  difference 
between  these  levels  then: 


=  2  VHti.  1    X  (3) 

1  +x 


For  instance,  with  X  =  0 
with  X  =  1/2 
with  X  =  1 


VSPAN 
VsPAN 
VsPAN 


■  2  VREF 
i  2/3  VREF 
•  0 


There  is  thus  a  nonlinear  relationship  between  X  and 
VSpan-  This  is  shown  very  graphically  in  Figure  2  where 
VREF(  +  )  and  VREF(-)  are  plotted  versus  the  resistor 
divider  ratio  X.  Note  that  as  X  approaches  unity  the 
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generated  voltages  converge  towards  the  reference  volt- 


0.2  0.4  0.6  0.8  1.0 

Figure  2.  VREF<+),  VRBF<-)  Voltages  vs.  Divider  Ratio  X 

The  plots  indicate  that  the  span  voltage  can  vary  from 
2  VREF  to  0  V.  In  practice  at  either  of  these  extremes, 
problems  can  arise.  If  used  in  a  single-supply  applica- 
tion, the  op  amp  driving  the  bottom  [VREF(-)]  of  the  ADC 
resistor  string  (e.g.,  A2  in  Figure  1)  will  have  difficulty  in 
getting  down  to  0  V.  Similarly,  the  op  amp  driving  the 
top  [VREF(  +  )l  of  the  ADC  resistor  string  (e.g.,  A1  in  Figure 
1)  might  experience  headroom  problems  if  2  VREF  ap- 
proaches the  op  amp's  VDD  level.  At  the  other  extreme 
the  smallest  usable  span  voltage  is  determined  by  the 
ADC.  Typically  the  AD782X  family,  designed  for  a  span 
voltage  of  5  V,  can  convert  with  no  missing  codes  down 
to  a  span  voltage  of  1  V. 

Because  of  the  transient  currents  which  flow  in  the  ADC 
resistor  string  during  conversion  it  is  necessary  to  de- 
couple both  VREF(  +  )  and  VREF(  — )  signals  at  the  pins  of 
the  ADC.  The  op  amps  used  for  A1  and  A2  should  be 
considered  for  stability  when  driving  capacitive  loads  of 
0.1  m-F  or  0.2  (iF. 

dB  or  % 

Dependent  upon  the  application,  the  circuit  can  be 
viewed  either  as  a  means  of  increasing  the  effective 
resolution  of  the  ADC  or  else  as  providing  a  voltage 
window  (equal  to  full  scale  of  the  ADC)  which  can  be 
placed  around  some  input  voltage  to  be  monitored.  For 
example,  to  increase  the  effective  resolution  of  the  con- 
verter from  8  bits  to  10  bits  in  6dB  steps  (every  6  dB 
increase  in  dynamic  range  is  equivalent  to  an  extra  bit  of 
resolution),  three  different  resistor  divider  ratios  (X  val- 
ues) are  required.  Suitable  values  for  X  are  found  by 
choosing  VREF  and  VSPAN  and  solving  Equation  3  for  X. 
Table  I  lists  one  possible  set  of  values  for  X  with  their 
corresponding  voltage  levels  computed  for  VREF  = 
2.5  V. 


|  m  J_(  _    _  Jmu>>  J  Effective 

Dynamic  Range  in  6  dB  Steps 

In  applications  such  as  power  supply  monitoring  or 
when  converting  servo  signals  in  HDD  systems,  it  is 
probably  more  useful  to  talk  about  the  span  range  as 
being  a  percentage  of  the  input  voltage.  In  terms  of  the 
span  voltage; 


■ 


VREF<+)  =  VREF  +  VSPAN/2 


If  VREF  is  chosen  to  be  equal  to  the  nominal  analog  input 
voltage  (V,N)  to  be  monitored,  then  the  ADC  can  mea- 
sure voltages  which  extend  above  and  below  nominal 
vin  by  VSPAN/2.  For  instance,  with  X  =  0.5;  VREF(  +  )  = 
1.33  VREF  and  VREF(  )  —  0.667  VREF.  The  span  voltage  is 
0.667  VREF.  With  VREF  chosen  to  be  equal  to  the  nominal 
input  voltage  V,N,  the  full-scale  analog  input  range  to  the 
ADC  is  V,N  ±  0.33  VIN  or  VIN  ±  33%.  Similarly  with 
X  =  0.8,  the  full-scale  range  is  VIN  ±  11%.  Thus  the  ADC 
result  can  be  directly  interpreted  as  a  measure  of  the 
percentage  variation  of  the  input  voltage  from  its  nomi- 
nal value. 

When  monitoring  voltages  greater  than  +5V,  some  ini- 
tial signal  conditioning  (i.e.,  attenuation)  will  be  neces- 
sary in  order  to  avoid  applying  any  input  or  reference 
voltage  higher  than  +5  V  to  the  ADC.  Figure  3  shows  a 
representative  system  to  monitor  a  +15  V  nominal  sup- 
ply having  a  tolerance  of  ±11%.  It  may  be  necessary  to 
buffer  the  A,N  of  the  AD782X  to  avoid  errors  due  to  high 
source  impedance.  To  measure  tolerances  tighter  than 


i. 
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Figure  3.  Monitoring  a  +15  V  ±  11%  Supply 
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±11%  the  span  voltage  will  drop  below  1  V  since  VREF(  +  ) 
is  limited  to  +5V  maximum.  To  avoid  this  situation  it 
will  be  necessary  to  amplify  the  small  tolerance  voltage 
to  an  acceptable  level.  One  method  of  achieving  this  is 
shown  in  Figure  4. 


Figure  4.  Monitoring  a  +15  V  ±  5%  Supply 


The  circuits  presented  so  far  all  deal  with  a  positive  VREF. 
Can  the  circuits  handle  a  negative  VREF?  The  answer  is 
yes,  but  only  one  ADC  in  the  AD782X  family  can  directly 
convert  negative  voltages.  This  is  the  AD7821.  By  tying 
its  Vss  pin  to  -5  V  (VDD  remains  at  +5  V),  the  AD7821 
can  convert  negative  voltages  down  to  -5V.  However 
its  VREF(+)  input  must  always  be  maintained  more  pos- 
itive than  its  VREF(  )  input.  This  necessitates  a  switch- 
over of  the  VREF(  +  ),  VREF(  }  connections  when  using  a 
negative  reference.  For  instance,  in  Figure  3,  to  monitor 
-15  V  ±11%,  the  ADC  must  be  the  AD7821  with  -5  V 
applied  to  its  Vss  input;  the  4.5  V  reference  now  be- 
comes -4.5  V,  the  output  of  A1  now  drives  the  VREF(-) 
input  of  the  ADC;  and  the  A2  output  now  drives  VREF(+). 
The  op  amps  are  now  driven  with  bipolar  supply  volt- 
All  else  remains  the  same. 

Suggested  Circuits  to  Provide  Programmable  Divider 
Ratios 

In  Figure  5  the  divider  ratio  is  dependent  on  whichever 
switch  is  closed,  i.e.,  with  S2  closed,  divider  ratio  X  is: 

RC  +  RD 
X  ~  RA  +  RB  +  RC  +  RD 
This  circuit  offers  the  advantage  that  the  ON  resistance 
of  the  switches  does  not  play  a  part  in  determining  the 
ratio  X. 


AGNO 


'ADDITIONAL  CIRCUITRY  OMITTED  FOR  CLARITY 

Figure  5.  Programmable  Divider  Ratio  X  with  Discrete 
Resistors 

Figure  6  shows  how  an  8-bit  DAC,  the  AD7524,  can  be 
used  to  determine  whatever  divider  ratio  X  is  required 
with  much  finer  resolution  than  is  possible  with  discrete 
resistors  alone.  The  gain  of  A2  is  given  as: 

where: 

N  is  the  decimal  equivalent  of  the  8-bit  DAC  code. 

Of  the  possible  255  gain  levels  programmable  with  the 
DAC,  128  of  them  cover  the  gain  range  from  1  to  2,  64 
cover  gains  from  2  to  4,  etc.  Thus  very  fine  resolution  of 
low  gains  is  possible.  However  since  the  noninverting 
gain  of  A2  is  always  greater  than  unity,  RA  &  RB  provide 
some  fixed  attenuation  before  the  programmable  gain 
stage.  The  overall  divider  ratio  is: 


RA  +  RS 

The  requirement  that  X  must  be  always  be  less  than 
unity  [i.e.,  VREF(  +  )  >  VREF(-)J  places  an  upper  limit  on 
the  usable  programmable  gain  range. 


Figure  6.  Programmable  Divider  Ratio  X  with  8-Bit 
CMOS  DAC 
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Designer's  Guide  to  Flash-ADC  Testing 


■ 


Parti 

Flash  ADCs  Provide  the  Basis  for  High  Speed  Conversion 

by  Walt  Kester 





Building  high-performance  circuits  that  take  advan- 
tage of  the  high  sampling  rates  of  flash  ADCs  requires 
a  knowledge  of  these  converters'  many  intricacies.  Part 
1  of  this  3-part  series  discusses  the  pitfalls  of  designing 
with  flash  ADCs,  how  to  evaluate  certain  data-sheet 
specifications,  and  how  to  choose  external  components 
that  complement  your  particular  converter.  Parts  2 
and  3  will  explore  test  and  measurement  methods  that 
you  can  use  to  verify  a  converter's  performance  in 
your  system. 


To  digitize  analog  signals  whose  bandwidths  exceed  1 
MHz,  you'll  probably  need  flash  ADCs.  Many  flash 
converters  with  4  to  10  bits  of  resolution  are  now  avail- 
able, thanks  to  recent  advances  in  VLSI  process  tech- 
nology and  design  techniques.  However,  to  use  these 
converters  successfully  at  the  high  sampling  rates  that 
they  provide,  you  must  take  into  account  and  compen- 
sate for  a  variety  of  flash-converter  characteristics. 

The  basic  features  of  most  flash  converters  are 
shown  in  Fig  1.  A  flash  ADC  simultaneously  applies 
an  analog-input  signal  to  2N-1  latched  comparators, 
where  N  is  the  number  of  the  converter's  output  bits. 
A  resistive  voltage  divider  generates  each  compara- 
tor's reference  voltage  and  sets  each  reference  level  1 
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LSB  higher  than  the  level  of  the  comparator  immedi- 
ately below  it.  Comparators  that  have  a  reference  volt- 
age below  the  input-signal  level  will  assume  a  logic  1. 
The  comparators  with  a  reference  voltage  above  the 
level  of  the  input  signal  will  produce  a  logic  0.  A  secon- 
dary logic  stage  decodes  the  thermometer  code  that 
results  from  the  2N  - 1  comparisons.  An  optional  output 
register  latches  the  decoding  stage's  digital  output  for 
one  clock  cycle. 

Timing  is  everything 

One  of  the  first  difficulties  you'll  encounter  when 
using  flash  converters  is  removing  valid  data  from  the 
converter.  In  practice,  the  comparator  bank  has  two 
states  controlled  by  a  conversion-command  signal. 
Various  converters  call  this  command  the  convert,  the 
encode,  or  simply  the  clock  command.  When  this  signal 
is  in  its  convert-command  state,  the  comparators  track 
the  analog-input  signal,  and  during  this  time  the  output 
data  is  invalid.  When  the  command  line  changes  state, 
it  latches  the  comparator  outputs.  Valid  output  data 
is  now  available  for  transfer  to  an  external  register. 
You'll  find  most  flash  converters  somewhat  sensitive 
to  the  duty  cycle  and  frequency  of  this  command  pulse. 
In  other  words,  the  performance  of  the  converter,  spe- 
cifically its  differential  and  integral  nonlinearity  per- 
formance, is  related  to  the  clock's  duty  cycle  and  fre- 
quency. Performance  degradation  is  especially  pro- 
nounced when  you  run  the  device  at  or  near  its  maxi- 
mum sampling  rate. 
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verters  that  have  from  4  to  10  bits  of  resolu- 
tion are  available. 


The  way  you  handle  the  binary  output  depends  on 
whether  the  converter  has  an  internal  output  latch. 
Without  a  latch,  the  data  will  be  invalid  for  a  period 
equal  to  the  sampling  clock's  pulse  width.  At  high  sam- 
ple rates,  the  data-invalid  time  will  impinge  on  the 
data-valid  time,  making  it  difficult  for  you  to  strobe 
the  flash  converter's  output  into  an  external  register. 
For  instance,  if  you  operate  a  flash  converter  at  100M 
samples/sec  with  a  50%-duty-cycle  sampling  clock,  the 
output  data  will  be  valid  for  only  5  nsec.  When  you 
consider  the  finite  rise  and  fall  time  of  the  output  bi- 
nary bits,  this  short  time  doesn't  leave  you  much  lee- 
way, even  if  you  use  the  fastest  external  logic.  In  fact, 
you  may  ultimately  lose  data.  The  addition  of  an  inter- 
nal output  latch  simplifies  clocking  of  the  output  data, 
because  the  output  data  is  valid  for  approximately  the 
entire  clock  cycle.  In  return  for  a  longer  data-valid 
time,  you'll  have  to  accept  an  inherent  1-cycle  or  more 
pipeline  delay — an  acceptable  compromise  in  most  sys- 
tems applications. 

Try  to  place  an  appropriate  buffer  register  next  to 
the  flash  converter.  If  you  route  the  converter's  digital 
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Fig  1 — Flank  converters  contain  a  bank  of 

2N-1  comparators,  where  N  is  the  number 
of  output  bits.  Decoding  logic  transforms  the 
comparator  outputs  into  the  appropriate  N- 
bit  result.  Timing  and  input  characteristics 
of  the  converter,  such  as  mismatched  com- 
parator delays,  mismatched  ladder  resistors, 
and  nonlinear  input  capacitances,  are  just 
a  few  sources  of  converter  errors. 


output  directly  to  a  backplane  data  bus  through  a  card- 
edge  connector,  signal  coupling  between  the  digital- 
output  signals  and  analog  input  will  degrade  the  S/N 
ratio  and  harmonic  performance. 

In  many  high-speed  data-acquisition  designs,  you'll 
need  a  large  and  fast  buffer  memory  to  store  the  output 
data.  A  500M-sample/sec  converter  can  fill  1M  byte  of 
memory  in  2  msec.  To  reduce  the  required  speed — and 
thus  the  cost— of  the  memory,  you  can  demultiplex  the 
high-speed  data  stream  (Fig  2),  which  slows  it  to  fre- 
quencies compatible  with  cost-efficient  CMOS  RAMs. 
Fig  2's  circuit  clocks  the  two  output  registers  at  half 
the  sample  rate,  and  it  latches  data  in  each  register 
180x  out  of  phase  from  the  other.  Some  flash  converters 
that  operate  in  excess  of  200  MHz  have  onboard  de- 
multiplexing for  added  convenience. 

All  that  sparkles  isn't  gold 

So  far,  these  timing  difficulties  refer  to  how  you 
deal  with  the  converter's  output  data.  But  flash  con- 
verters can  have  internal  problems  as  well.  Low  input 
frequencies  can  cause  comparator  metastability,  and 
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high  input  frequencies  can  lead  to  errors  caused  by 
slew-rate  and  delay  mismatches.  All  of  these  errors 
may  manifest  themselves  as  sparkle  codes  in  a  poorly 
designed  flash  converter. 

Sparkle  codes  are  random  errors  whose  magnitude 
may  approach  the  full-scale  range  of  the  converter. 
The  term  refers  to  the  white  dots  or  "sparkles"  that 
appear  against  a  gray  background  when  the  ADC  out- 
put drives  a  video  display.  There  are  two  sources  of 
sparkle  codes:  comparator  metastable  states  and  ther- 
mometer-code bubbles. 

A  comparator  metastable  state  occurs  if  the  com- 
parator output  falls  between  the  logic-0  and  logic-1 
threshold  of  the  digital  decoding  logic.  If  the  threshold 
uncertainty  region  has  a  width  of  AVL  and  the  compara- 
tor has  a  gain  of  A,  then  the  error  probability  Pm  is  a 
uniformly  distributed  value  that's  equal  to 

r"  Aq' 

where  q  is  the  weight  of  the  LSB. 
A  latched  comparator  in  a  flash  converter  has  a  re- 

A=Ane"' 


A-Ao 


Fig  2 — Flash  converters  can  operate  at  ex- 
tremely high  sample  rates.  Thus,  you  must 
have  an  output  register  that  can  handle  this 
fast  data.  By  demultiplexing  the  converter's 
outputs,  you  can  slow  the  data  to  a  rate  that's 
compatible  with  standard  CMOS  memory. 
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when  tsO.  t  equals  the  regeneration-time  constant, 
and  t  is  the  time  after  the  application  of  a  latch  com- 
mand. The  probability  of  a  metastable  state,  Pm,  for  a 
regenerative  comparator  bank  driving  decoding  logic  is 


Acq* 


The  magnitude  of  the  sparkle  code  depends  on  the 
location  of  the  metastable  comparator  in  the  compara- 
tor bank  and  on  the  logic-decoding  scheme.  For  in- 
stance, the  128th  comparator  determines  the  MSB  of 
an  8-bit  flash  converter  with  straight  binary  decoding 
logic.  If  this  comparator's  output  is  in  a  metastable 
state,  the  decoding  logic  may  mistakenly  convert  the 
input  voltage  whose  correct  binary  representation  is 
01111111  to  11111111,  producing  a  full-scale  error.  If 
the  comparator  bank's  thermometer-code  output  is  first 
decoded  into  Gray  code,  latched,  and  then  converted 
into  binary  code,  the  metastable  error  is  reduced  to  1 
LSB,  regardless  of  the  comparator  in  error.  Flash  con- 
verters, however,  rarely  use  this  scheme  because  of 
the  ripple-through  time  and  the  increased  logic  density 
of  the  Gray-to-binary  circuitry.  Instead,  converter  de- 
signers often  use  "pseudo-Gray"  decoding  techniques 
to  eliminate  the  delay  time  associated  with  traditional 
Gray-to-binary  circuits. 
Note  that  the  probability  of  a  metastable-state  error 
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One  of  the  first  difficulties  you'll  encounter 
when  using  flash  converters  is  removing 
valid  data  from  the  converter. 


ing  a  constant  value  of  t).  This  implies  that  the  flash 
converter  is  more  apt  to  produce  metastable-state  er- 
rors as  you  increase  the  sampling  rate,  because  t  must 
decrease  correspondingly.  Most  manufacturers  reduce 
metastable  comparator  states  by  minimizing  the  regen- 
eration-time constant,  t.  Lower  regeneration-time  con- 
stants result  in  higher  power  dissipation,  which  is  one 
reason  why  many  high-speed  flash  converters  are 
power-hungry  devices. 

Thermometer-code  bubbles  are  another  potential 
source  of  sparkle  codes.  A  well-behaved  flash  con- 
verter's comparator  bank  produces  a  specific  sequence 
of  ones  up  to  a  certain  point  in  the  input  range  of  the 
converter,  and  it  produces  a  sequence  of  zeros  beyond 
that  point.  The  decoding  logic  then  assigns  a  binary 
number  to  the  thermometer  code.  For  low-frequency 
inputs,  most  flash  converters'  comparator  banks  are 
well  behaved.  At  high  speeds,  however,  delay  mis- 
matches among  comparators  may  produce  out-of-se- 
quence  ones  and  zeros  in  the  thermometer  code.  The 
decoding  logic  then  assigns  an  error  binary  code  to 
these  out-of-sequence  points,  or  bubbles,  which  also 
result  in  sparkle  codes.  Again,  proper  comparator  de- 
sign and  more  sophisticated  decoding-logic  circuitry 
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Fig  3— Theoretically,  a  flash  converter  should  maintain  its  per- 
formance across  the  full  Nyquist  bandwidth.  But  as  the  curves  in 
this  figure  illustrate,  the  SIN  ratio  starts  to  degrade  well  below  each 
device's  maximum  sampling  rate.  (Note  that  these  curves  are  based 
on  test  sampling  rates  that  are.  somewhat  lower  than  each  device's 
lc.) 


within  the  ADC  itself  can  reduce  these  errors  to  accept- 
able levels. 

These  comparator-timing  errors  degrade  both  the 
differential  and  integral  linearity  of  a  flash  ADC  as  the 
input  slew  rate  increases.  In  addition  to  static  errors, 
such  as  missing  codes  and  sparkle-code  errors,  slew- 
rate  limitations  manifest  themselves  as  dynamic  errors, 
such  as  increased  harmonic  distortion  and  degradation 
in  the  S/N  ratio.  Ideally,  a  flash  converter  should  main- 
tain its  static  performance  specifications  across  the  full 
Nyquist  bandwidth,  and  certain  applications  demand 
full  performance  beyond  the  Nyquist  bandwidth.  The 
theoretical,  rms  S/N  ratio  for  an  N-bit  ADC  is  given 
by  the  well-known  equation 

S/N  ratio=6.02N+1.76  dB. 

However,  as  shown  in  a  typical  plot  of  S/N  ratio 
versus  input  frequency  for  actual  flash  converters  (Fig 
3),  the  S/N  ratio  degrades  as  the  input  frequency  in- 
creases. This  degradation  starts  well  below  these  con- 
verters' maximum  sampling  rates.  The  left  vertical  axis 
of  Fig  3  shows  the  S/N  ratio  in  another  term:  effective 
number  of  bits.  The  effective  number  of  bits  is  simply 
the  value  of  N  when  you  solve  the  above  equation  using 
a  specific  value  for  the  S/N  ratio.  Aperture  jitter  (sam- 
ple-to-sample variations  in  the  effective-sampling  in- 
stant) can  also  cause  degradation  in  the  overall  S/N 
ratio  for  high-slew-rate  inputs.  Jitter  can  be  internal 
or  external  to  the  converter.  Part  3  of  this  series  will 
cover  this  topic  in  more  detail.  To  minimize  externally 
produced  jitter  components,  you  should  always  practice 
proper  grounding,  power-supply-decoupling,  and  pc- 
board-layout  techniques. 

Watch  for  dangerous  data-sheet  territory 

Most  of  the  timing  difficulties  and  error  sources  dis- 
cussed so  far  are  common  to  all  flash  converters.  How- 
ever, each  converter  features  its  own  unique  design 
and  specifications;  thus  the  data  sheets  require  scru- 
tiny. Don't  be  fooled  into  believing  that  sampling  rate 
and  input  bandwidth  are  interchangeable;  they're  dif- 
ferent specifications.  It  wasn't  until  recently  that  you'd 
even  find  input  bandwidth  specified  for  an  ADC.  Even 
now,  no  accepted  industry-wide  definition  exists  for  a 
flash  converter's  full-power-bandwidth  specification. 
Scrutinize  the  data  sheet  carefully  and  make  sure  you 
understand  the  manufacturer's  definition  and  test 
method.  The  full-power  bandwidth  of  a  traditional  op 
amp  is  the  maximum  frequency  at  which  the  amplifier 
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can  produce  the  specified  p-p  output  voltage  at  a  speci- 
fied level  of  distortion.  Another  commonly  used  defini- 
tion calculates  the  full-power  bandwidth  by  dividing 
the  amplifier's  slew  rate  by  2irV0,  where  the  output- 
voltage  range  of  the  amplifier  is  ±  V0. 

When  you  apply  traditional  analog-bandwidth  defini- 
tions to  flash  converters,  the  results  can  be  misleading. 
The  dynamic-error  sources  previously  discussed  may 
become  predominant  long  before  the  comparator  front 
end  approaches  its  maximum  bandwidth.  If  you  use  a 
common  definition  of  full-power  bandwidth  as  the  fre- 
quency at  which  the  p-p  reconstructed-sine-wave  out- 
put is  reduced  by  3  dB  for  a  full-scale  input,  then  the 
effective  number  of  bits  (S/N  ratio)  at  this  input  fre- 
quency may  render  the  flash  converter  useless  in  your 
system.  Thus,  to  get  a  true  idea  of  a  converter's  per- 
formance, you  must  consider  both  the  full-power  band- 
width and  the  effective  number  of  bits  (S/N  ratio)  at 
a  specific  sampling  rate. 

Another  definition  you'll  encounter  occasionally  for 
full-power  bandwidth  is  the  maximum,  full-scale  input 
signal  at  a  specified  sampling  rate  that  produces  no 
missing  codes.  Using  this  definition  always  gives  the 
most  pessimistic  number,  so  specifications  based  on 
this  definition  appear  on  only  a  few  data  sheets.  The 
following  is  a  recently  proposed  definition  for  full- 
power  bandwidth  (courtesy  Chris  Manglesdorf,  a  sen- 
ior scientist  at  Analog  Devices):  the  frequency  at  which 
the  fundamental  component  of  the  reconstructed  FFT 
output — excluding  harmonics — is  reduced  by  3  dB  from 
full  scale. 

Just  when  you  think  you've  mastered  the  intricacies 
of  flash  ADCs,  you'll  realize  that  you  have  another 
about:  the  input  buffer  amplifier. 


Fig  4 — If  the  voltage  range  of  the  an 
signal  and  the  input  range  of  the  ADC  aren't 
compatible,  you'll  have  to  adjust  the  gain 
using  R,  and  and  also  adjust  the  input 
signal's  offset.  Because  of  the  substantial 
value  and  the  often  nonlinear  nature  of  a 
flash  converter's  input  capacitance,  you 
must  choose  an  appropriate  drive  amplifier 
and  value  for  Rs. 


Fortunately  (or  unfortunately  depending  upon  your 
perspective),  the  flash  converter — not  the  amplifier — 
usually  limits  the  converter's  dynamic  performance. 
A  flash  converter  typically  digitizes  a  signal  from  a 
50,  75,  or  93fl  bipolar  or  unipolar  source.  If  the  input 
range  of  the  flash  converter  is  incompatible  with  the 
signal,  then  you'll  clearly  need  a  wideband  op  amp  to 
generate  the  required  gain  and  offset  (Fig  4).  In  addi- 
tion, the  input  capacitance  of  some  flash  converters 
may  vary  as  a  function  of  the  analog  input's  signal 
amplitude.  Therefore,  so  that  the  nonlinear  capacitance 
doesn't  produce  undesirable  harmonics  in  the  digitized 
signal,  you'll  need  to  use  a  buffer  amplifier  for  isolation. 
For  certain  flash  converters,  the  input  capacitance  is 
so  high  that  a  buffer  amplifier  is  needed  just  to  pre- 
serve the  signal  bandwidth. 

A  good  choice  for  the  buffer  is  a  high-speed  transim- 
pedance  amplifier.  These  amplifiers  have  high  band- 
widths  and  flat  frequency  responses  over  a  broad  range 
of  input  frequencies.  Also,  many  transimpedance  am- 
plifiers exhibit  extremely  low  distortion.  Pairing  the 
right  amplifier  with  your  converter  is  important.  For 
instance,  Fig  3  shows  the  S/N  ratio  of  various  convert- 
ers plotted  along  with  the  harmonic  distortion  of  the 
AD9617.  Since  the  THD  of  the  amplifier  is  better  than 
the  S/N  ratio  of  the  converters,  the  amplifier  won't 
degrade  the  flash  converters'  performance  over  the 
major  portion  of  their  usable  bandwidth. 

Another  factor  to  consider  when  driving  the  input 
of  flash  converters  is  the  input-signal  polarity.  Positive 
input  signals,  which  forward  bias  the  substrate  diode, 
can  damage  a  converter  that  has  a  unipolar,  negative 
input-voltage  range.  Installing  an  external  Schottky 
diode  provides  effective  protection. 
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Ideally,  a  flash  converter  should  maintain 
its  static-performance  specifications  across 
the  full  Nyquist  bandwidth,  but  in  reality 
A  DCs  fall  far  short  of  this  ideal. 


The  flash  converter's  input  capacitance  and  the  drive 
amplifier's  isolation  resistor,  RS)  form  a  lowpass  filter. 
Typical  series-resistor  and  input-capacitance  values  of 
10ft  and  20  pF  create  a  single-pole  lowpass  filter  that 
has  a  bandwidth  of  800  MHz.  However,  if  the  input 
capacitance  changes  from  20  to  15  pF  over  the  input 
range  of  the  converter,  then  an  attenuation  error  of 
1.4%  occurs  for  a  50-MHz  input  signal.  This  1.4%  non- 
linearity  will  produce  37  dBc  of  harmonics.  (The  unit 
dBc  refers  to  the  number  of  dB  between  the  signal 
you're  measuring  and  the  carrier  frequency).  If  you 
minimize  the  value  of  Rs  and  still  maintain  op-amp 
stability,  you  can  reduce  the  attenuation  error  caused 
by  these  lowpass  filtering  effects.  The  signal  depend- 
ence of  input  capacitance  is  rarely  specified,  but  as 
converters  move  toward  higher  band  widths,  you  can 
expect  to  see  this  parameter  on  more  data  sheets. 

Few,  if  any,  flash  converters  contain  an  internal  volt- 
age reference,  so  in  addition  to  an  external  drive  ampli- 
fier, you  must  also  design  your  own  voltage-reference 
generator.  Fig  5  illustrates  a  typical  -2V,  unipolar 
reference- voltage  circuit  for  a  flash  converter.  A  buffer 
transistor  is  necessary  because  the  resistance  of  the 
converter's  ladder  string  is  usually  fairly  low.  The  total 
reference-ladder  resistance  of  a  flash  converter  de- 
pends heavily  on  the  fabrication  process  and  may  vary 
considerably  from  device  to  device.  Also,  the  ladder's 
resistance  may  exhibit  a  large  temperature  coefficient. 


If  the  flash  converter  allows  bipolar  operation,  then 
you'll  have  to  generate  two  reference  voltages.  The 
circuit  in  Fig  6  allows  great  flexibility  in  setting  both 
the  gain  and  the  offset  of  a  bipolar  flash  converter, 
and  it  operates  on  ±5V  power  supplies.  A  few  flash 
converters  provide  a  sense  pin  for  the  voltage  refer- 
ence. You  can  use  this  pin  to  compensate  for  the  volt- 
age drop  caused  by  the  package's  pin  and  bond-wire 
resistances,  as  shown  in  the  bipolar-reference  circuit 
in  Fig  6.  In  addition,  some  ADCs  give  you  access  to 
one  or  more  taps  along  the  internal,  reference-ladder 
resistor  string.  To  achieve  better  integral  linearity, 
you  can  drive  these  taps  from  low-impedance  sources. 

Improve  dynamics  with  T/H  amplifiers 

As  previously  discussed,  the  effective-sample  time- 
delay  variations  among  the  latched  comparators  de- 
grade the  S/N  ratio  and  the  harmonic  performance. 
You  can  visualize  the  individual  comparators  within 
an  array  as  having  variable  delay  lines  in  series  with 
their  latch-strobe  inputs.  To  understand  the  effect  of 
this  delay  on  performance,  consider  an  8-bit,  100M- 
sample/sec  flash  converter  that's  digitizing  a  full-scale, 
50-MHz  sine-wave  input.  You  can  express  the  sine 
wave  as 

v(t)=VPsin27rft. 
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Fig  5 — Flash  converters  don't  have  internal  references,  so  you  must  design  them  externally.  This  particular  circuit  provides  a  stable 
-2V  reference  for  a  unipolar  converter.  
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To  improve  flash-converter  performance  at 
sampling  rates  as  high  as  25  MHz,  you 
can  use  front-end  T/H  amplifiers  to  imple- 
ment a  "track-and-slow-down"  approach. 


The  maximum  rate-of-change  of  this  signal  occurs  at 
the  zero-crossing  point  and  is  equal  to 

S|max=27rfVp=lt|max. 

■ 

By  solving  this  equation  for  At™,,  you  obtain 
AV 


If  the  input-voltage  range  of  the  flash  converter  is  2V, 
or  VP  =  1V,  then  the  LSB  weight  is  8  mV  for  an  8-bit 
ADC.  For  the  flash  converter's  error  to  be  less  than 
1  LSB,  At,^  must  equal  25  psec.  The  effective-sample 
delay  mismatch  between  comparators  can't  exceed  this 
value.  If  the  mismatch  is  greater,  a  50-MHz,  full-scale 
sine-wave  input  will  produce  missing  codes  in  the  con- 
verter's output. 

Placing  an  ideal  track-and-hold  (T/H)  amplifier  ahead 
of  the  flash  converter  theoretically  would  eliminate  this 
problem,  because  the  flash  converter  basically  would 


be  digitizing  a  dc  input.  In  actual  practice,  T/H  amplifi- 
ers aren't  ideal,  especially  at  high  speeds.  The  signal 
presented  to  the  flash  converter  is  still  changing,  al- 
though at  a  slower  rate.  Nevertheless,  this  "track-and- 
slow-down"  approach  can  improve  the  flash-converter 
performance  at  sampling  rates  as  high  as  approxi- 
mately 25  MHz.  At  sampling  rates  above  25  MHz,  the 
T/H  circuit  needs  to  be  mounted  on  the  same  substrate 
as  the  flash  converter  in  a  suitable  hybrid  package. 
Monolithic  T/H  amplifiers  in  hybrid  packages  with  8-bit 
flash  converters  have  successfully  achieved  7  effective 
bits  at  Nyquist  inputs  and  at  sampling  rates  of  250 
MHz.  These  hybrid  packages  exact  a  penalty  of  higher 
cost  and  power  consumption,  however. 

You'll  find  it  difficult  to  select  an  appropriate  dis- 
crete T/H  amplifier,  because  the  interaction  between 
the  T/H  amplifier  and  the  flash  ADC  is  hard  to  predict. 
You  should  evaluate  key  T/H  amplifier  specifications 
such  as  acquisition  time,  full-power  bandwidth,  slew 
rate,  and  harmonic  distortion.  Harmonic-distortion 
specifications  typically  are  provided  for  the  track  mode. 
The  T/H  amplifier's  performance  may  be  considerably 
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worse  than  the  stated  specifications  when  the  amplifier 
is  in  the  hold  mode  and  actually  driving  a  flash  con- 
verter. Also,  the  loading  effects  of  the  converter  may 
degrade  the  T/H  amplifier's  performance.  In  addition, 
obtaining  the  optimum  relationship  between  the  vari- 
ous timing  pulses  that  drive  the  T/H  amplifier  and  the 
flash  converter  may  require  considerable  experimenta- 
tion. 

Because  of  these  many  difficulties,  the  current  goal 
of  many  ADC  manufacturers  is  either  to  provide  flash 
converters  whose  dynamic  performance  is  acceptable 
without  a  T/H  function,  or  to  integrate  the  T/H  function 
and  converter  on  the  same  chip.  In  either  case,  manu- 
facturers can  fully  specify  the  ADC  for  dynamic  per- 
formance and  spare  you  the  somewhat  difficult  design 
problems  associated  with  interfacing  the  T/H  amplifier 
to  the  converter. 


The  knowledge  of  internal  ADC  features  and  the 
requirements  these  ADCs  place  on  external  circuits 
should  guide  your  initial  design  efforts.  But  once  you 
finish  the  design  and  build  your  circuit,  you'll  want  to 
ensure  that  the  combined  performance  of  your  con- 
verter and  its  support  circuits  meets  your  require- 
ments. Part  2  will  discuss  various  DSP-based  test 
methods  that  are  particularly  effective  in  flash-con- 
verter testing. 


Reference 

1.  Sheingold,  Dan,  Analog-Digital  Conversion  Handbook, 
3rd  ed,  Prentice-Hall,  Englewood  Cliffs,  NJ,  1986. 
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Designer's  Guide  to  Flash-ADC  Testing 
Part  2 

DSP  Test  Techniques  Keep  Flash  ADCs  in  Check 

by  Walt  Kester 


■ 

By  testing  your  flash  AID  converter,  you  can  ensure 
that  it's  faithful  to  all  the  specifications  listed  on  its 
data  sheet.  Part  2  of  this  3-part  series  presents  a  num- 
ber of  methods,  including  sine-wave  curve  fitting  and 
the  FFT,  that  you  can  use  to  test  flash  converters. 
Readily  available  benchtop  instruments  or  personal 
computers  are  the  only  equipment  that  you'll  need  to 
use  these  methods. 

It's  important  to  know  how  your  flash  AID  converter 
will  perform  in  real-world  applications.  Therefore,  you 
may  want  to  perform  any  one  of  a  variety  of  tests  on 
your  converter  to  determine  its  deviation  from  ii 
performance.  As  Part  1  of  this  series  discussed,  flash 
ADCs  exhibit  errors  due  to  static  and  dynamic  non- 
linearities,  and  these  errors  increase  as  the  input  sig- 
nal's slew  rate  increases.  Thus,  the  actual  S/N  ratio 
will  fall  short  of  the  converter's  theoretical  value.  Even 
if  you  don't  apply  these  tests  yourself,  becoming  famil- 
iar with  them  will  help  you  evaluate  data-sheet  specifi- 
cations more  accurately,  because  many  manufacturers 
use  these  same  methods. 

Another  reason  you  may  want  to  test  your  flash 
converter  is  to  gain  information  that  the  manufacturer 
doesn't  provide.  Specifications  such  as  S/N  ratio  and 
its  related  effective  number  of  bits  are  key  in  all  appli- 
cations and  are  normally  specified,  but  other  specifica- 
that  are  more  important  for  your  particular  appli- 
included  on  the  data  sheet.  For 
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example,  video  designs  typically  require  that  you  know 
a  converter's  differential  phase  and  gain  (Ref  1).  Com- 
munications systems  may  even  depend  on  esoteric 
specifications  such  as  the  spurious-free  dynamic  range, 
which  isn't  available  on  many  data  sheets. 

For  a  full-scale  sine-wave  input,  the  theoretical  rms- 
signal  to  rms-quantization  noise  ratio  is 

S/N  RATIO=6.02N  +  1.76  dB, 

where  N  equals  the  number  of  bits  (Ref  2).  The  rms 
quantization-noise  voltage  for  an  ideal  ADC  within  the 
Nyquist  bandwidth  is  q/Vl2,  where  q  is  the  weight 
of  the  LSB  expressed  in  volts. 

The  most  popular  method  for  extracting  a  flash  con- 
verter's S/N  ratio  and  effective  number  of  bits  is 
through  discrete  Fourier  transforms  (DFTs).  Today, 
can  perform  sophisticated  DSP  tests  with  PC- 
based  test  systems  and  standard  software 
The  test  system  in  Fig  1,  for  example,  can  ex 
1024-point  FFT  in  less  than  one  second.  Most  of  the 
hardware  you'll  need  is  available  as  plug-in  boards  for 
the  PC.  However,  you'll  have  to  do  a  fair  amount  of 
work  before  you  can  begin  to  use  a  PC-based  test 
system.  First,  you'll  need  to  design  a  high-speed 
buffer-memory  board  to  capture  the  data  from  the  flash 
ADC.  Typically,  you'll  need  to  use  high-speed  static 
CMOS  or  ECL  RAMs.  Second,  plan  to  design  an  appro- 
priate logic  interface  to  connect  this  buffer  memory 
to  the  digital  I/O  card  of  the  PC. 

Another  hardware  feature  you  might  consider  is  an 
evaluation  board,  which  certain  manufacturers  of 
video-speed  ADCs  supply  to  ease  design  testing.  Many 
evaluation  boards  contain  reference  voltages,  power- 
supply  decoupling,  timing  circuits,  output  registers, 
and  connectors.  The  evaluation  boards  usually  have  a 
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DSP  test  techniques  determine  your  con- 
verter's deviation  from  ideal  performance, 
and  they  even  tell  you  certain  specifications 


and  they  even  tell  you  certain  specifications 
that  the  ADC's  data  sheet  doesn't. 


matching  reconstruction  DAC.  In  most  cases,  the 
manufacturer  has  optimized  the  design  of  these  boards 
so  that  your  ADC  test  won't  be  corrupted  by  faulty 
or  poorly  designed  support  circuits. 

Your  software  must  include  a  program  to  capture 
the  data  and  then  load  it  into  the  memory  of  the  PC. 
If  you  plan  to  use  FFT  analysis,  you  must  link  a  stan- 
dard FFT  software  package  to  your  test  program.  You 
may  also  have  to  generate  a  look-up  table  to  store  any 
special  weighting  functions  required  by  your  particular 
sampling  scheme.  Also,  adding  a  coprocessor  card  will 
speed  up  the  thousands  of  multiplications  that  FFT- 
based  analysis  requires. 

If  you  don't  have  the  time  or  the  energy  to  build 
your  own  test  system,  consider  one  of  the  benchtop 
instruments  available  from  a  number  of  instrumenta- 
tion manufacturers.  These  turnkey  systems  typically 
utilize  a  high-speed  logic  analyzer  to  capture  data.  Be- 
cause menu-driven  software  allows  you  to  select  from 
a  variety  of  tests,  you  incur  practically  no  hardware 
or  software  development  time. 

To  test  a  flash  ADC  using  Fourier  analysis,  you 
must  apply  a  spectrally  pure  sine  wave  to  the  converter 
and  store  a  number  of  contiguous  output  data  samples. 
Then,  using  DFT  techniques,  your  test  program  calcu- 
lates the  rms-signal  and  rms-noise  content  and  deter- 
mines the  ratio  of  the  two.  Noise  calculations  using 
DFT  techniques  include  not  only  the  converter's  quan- 
tization noise  but  also  the  harmonics  of  the  input  sine 
wave.  In  addition,  harmonics  that  fall  outside  the 


Nyquist  bandwidth  are  aliased  back  into  the  Nyquist 
bandwidth  because  of  the  sampling  process.  Thus,  to 
achieve  accurate  and  repeatable  results,  the  purity  of 
the  sampling  clock  and  the  input  sine  wave  is  critical. 

You  can  use  either  coherent  or  noncoherent  sampling 
to  evaluate  the  ADC  performance.  Coherent  sampling 
simply  means  that  your  record  of  samples  contains  an 
integer  number  of  sine-wave  input  cycles.  Alterna- 
tively, noncoherent  sampling  produces  a  record  that 
contains  noninteger  multiples  of  the  input.  You  must 
choose  between  these  sampling  schemes  based  on  the 
type  of  input  data  you  expect.  Coherent  testing  is  more 
suited  to  a  laboratory  environment  when  you  know 
the  precise  frequency  content  of  an  input  signal,  and 
it  requires  careful  attention  in  the  selection  of  the  input 
and  sampling  frequencies.  Noncoherent  testing  yields 
a  better  representation  of  ADC  performance  in  a  real- 
world  application  such  as  spectral  analysis,  because 
the  precise  frequency  content  of  the  signal  being  digi- 
tized is  a  mystery. 

However,  whenever  the  number  of  time  samples 
doesn't  contain  an  integer  number  of  input  cycles  (non- 
coherent testing),  you'll  have  to  time-weight  the  sam- 
ples to  reduce  frequency  side  lobes.  Without  weight- 
ing, discontinuities  will  cause  the  main  lobe's  energy — 
the  fundamental — to  leak  into  many  other  frequency 
bins.  The  term  "bins"  refers  to  the  spaces  between 
spectral  lines  or  spectral  peaks.  The  number  of  bins 
for  a  particular  spectrum  equals  the  sampling  fre- 


Fig  I— This  DSP  test  system  for  a  flash 

ADC  can  execute  a  l02UTpoint  FFT  in  less 
than  one  second,  but  the  system  requires  a 
significant  design  effort.  Hardware  require- 
ments include  a  high-speed  buffer  memory 
and  logic  interface  between  this  memory  and 
your  PC.  Software  requirements  include  a 
program  to  capture  the  data  and  load  it  into 
the  memory  of  the  PC,  as  well  as  a  link 
between  your  test  program  and  a  standard 
FFT  software  package.  
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quency  divided  by  the  record  length,  or  fs/M.  The  leak- 
age of  the  signal  from  the  central  bin  to  side-lobe  bins 
makes  accurate  spectral  measurements  impossible — 
you  simply  can't  distinguish  the  frequency  bins  that 
contain  actual  signal  information  from  those  that  con- 
tain noise.  Another  reason  to  time-weight  the  samples 
is  that  the  end  user  of  your  A/D-conversion  system 
may  be  interested  in  the  performance  of  the  ADC  using 
an  identical  or  similar  window. 

Noncoherent  sampling  involves  fewer  input-  and 
sampling-frequency  restrictions  than  coherent  sam- 
pling does,  but  it  requires  careful  attention  in  the  selec- 
tion and  use  of  the  weighting  function.  Also,  to  prevent 
masking  out  harmonics  of  the  fundamental,  avoid  using 
inputs  that  are  integer  submultiples  of  the  sampling 
frequency.  If  your  input  frequency  is  an  integer 
submultiple  of  the  sampling  frequency,  the  quantiza- 
tion noise,  q/Vl2,  will  be  concentrated  in  the  harmon- 
ics of  the  input  frequency  rather  than  uniformly  distrib- 
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Fig  2 — When  the  record  of  samples  doesn't  contain  an  integer 
number  of  input  cycles — that  is,  when  you're  using  noncoherent 
sampling — you  must  precondition  the  data  with  a  weighting  func- 
tion. The  Hanning  window  shown  here  in  the  time  domain  (a)  and 
the  sampled-frequency  domain  (b)  is  a  popular  weighting  function. 


uted  across  the  Nyquist  bandwidth.  Ultimately,  this 
condition  leads  to  incorrect  harmonic-distortion  test  re- 
sults. 

One  popular  weighting  function  is  the  Hanning  win- 
dow (Ref  3),  which  is  described  by  the  equation 


W„=0.5-0.5  cos  pfp), 


where  W„  is  the  weighting  coefficient  for  the  nth  data 
sample,  and  M  is  the  total  number  of  samples.  Fig  2 
graphically  depicts  the  Hanning  window  in  both  the 
time  and  the  frequency  domains. 

To  calculate  the  S/N  ratio,  you  have  to  decide  the 
number  of  frequency  bins  to  include  in  the  fundamental 
and  the  number  of  bins  to  consider  as  noise.  As  Fig  2 
shows,  you  can  correlate  the  amount  of  side-lobe  at- 
tenuation with  the  lobe's  distance,  in  terms  of  bins, 
from  the  fundamental  bin.  Fig  2b  includes  a  table  that 
lists  some  of  these  values.  You'll  have  to  make  your 
decision  based  on  the  theoretical  S/N  ratio  of  the  con- 
verter you're  testing. 

For  example,  an  8-bit  converter  has  a  theoretical, 
maximum  S/N  ratio  of  approximately  50  dB.  In  order 
to  ensure  that  the  side-lobe  energy  doesn't  cause  an 
artificially  high  noise  measurement  (and  hence  an  artifi- 
cially low  S/N-ratio  measurement),  you  should  include 
at  least  10  frequency  bins  on  either  side  of  the  funda- 
mental when  calculating  the  signal  level.  (Simply  take 
the  square  root  of  the  sum  of  the  squares  of  all  21  bins 
as  your  signal  level.)  Now,  any  side-lobe  energy  out- 
side this  region  will  be  at  least  68  dB  below  the  funda- 
mental signal  level  (18  dB  below  the  theoretical,  8-bit 
quantization  noise  floor  of  50  dB),  and  side-lobe  leakage 
won't  significantly  affect  the  accuracy  of  your  S/N-ratio 
measurement. 

Other  weighting  functions  may  better  suit  your  ap- 
plication. For  example,  Fig  3  compares  the  popular 
Hanning  window's  spectral  representation  with  the 
more  sophisticated,  minimum  4-term,  Blackman-Harris 
type.  For  the  same  record  length,  the  Blackman-Harris 
window  provides  better  spectral  resolution  than  the 
Hanning  window,  making  it  more  suitable  for  critical 
spectral  analysis,  such  as  measuring  2-tone,  third-order 
intermodulation-distortion  products.  The  extra  compu- 
tations for  the  Blackman-Harris  window  don't  lengthen 
processing  time,  because  you  calculate  them  only  once 
and  store  them  in  a  look-up  table. 

As  previously  stated,  you  can  use  coherent  sampling 
if  you  know  the  characteristics  of  your  input  signal  and 
if  you  choose  the  sampling  rate  accordingly.  Coherent 
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Today,  you  can  perform  sophisticated  DSP 
tests  with  PC-based  test  systems  and  stan- 
dard software  packages. 


sampling  eliminates  leakage  and  the  need  for  window- 
ing (Ref  4);  the  spectral  result  of  a  coherently  sampled 
signal  is  simply  a  single-frequency  peak.  Certain  re- 
strictions apply  to  the  choice  of  the  sampling  rate  and 
the  sine-wave  frequency,  however.  First,  you  must 
observe  the  following  ratio: 

Sd=Mc 

Mc  equals  the  number  of  integer  cycles  of  the  sine 
wave  during  the  record  period.  For  a  whole  number 
of  cycles,  Mc  must  be  an  integer.  To  ensure  that  you 
don't  take  repetitive  data,  Mc  should  also  be  a  prime 
number:  1,  3,  5,  7,  11,  13,  17,  etc.  By  using  prime 
numbers,  you  ensure  that  all  samples  during  the  record 
period  are  unique.  When  using  coherent  sampling,  it's 
mandatory  that  the  ratio  Mc/M  be  constant.  This  re- 
quirement implies  that  you  derive  fs  and  fin  from  two 
locked  frequency  synthesizers. 


Fig  3— The  Blackman-Harris  windowing  function  (b)  resolves 
closer  peaks  in  a  frequency  spectrum  than  does  the  Hanning  window 
(a).  The  mathematical  expression  for  the  Blackman-Harris  window 
is  more  complex,  but  you  only  need  to  calculate  the  terms  once  and 
then  store  them  in  a  look-up  table. 


Calculate  the  DFT 

After  selecting  the  record  length  and  determining 
the  weighting  function  (for  noncoherent  sampling),  you 
must  write  your  DFT  test  program.  Your  program 
must  find  the  DFT  of  the  sequence  of  weighted  data 
samples  for  M/2  frequencies  (the  Nyquist  frequency). 
Thus,  the  program  should  solve  the  following  two  equa- 
tions for  the  kth  frequency: 


In  these  equations,  Ak  and  Bk  represent  the  magni- 
tudes of  the  cosine  and  sine  parts  of  the  kth  spectral 
line;  n  is  the  number  of  time  samples;  W„  is  the  weight- 
ing function;  D„  is  the  amplitude  of  the  time-function 
data  point;  and  k  is  the  number  of  a  spectral  line.  The 
total  magnitude  of  the  kth  spectral  line  is 

MAGNITUDEK=VA„2+Bk2. 

The  program's  results  yield  M/2  components,  which 
are  the  frequency-domain  representation  of  the  M  time 
samples.  The  resolution  or  spacing  between  the  spec- 
tral lines,  Af,  equals  4/M  and  is  the  bin  size  or  bin 
width. 

Typically,  you  should  select  the  number  of  time  sam- 
ples (M)  to  be  between  256  and  4096,  depending  on 
the  desired  resolution  and  the  size  of  the  buffer  mem- 
ory. M  must  be  equal  to  an  integer  that's  a  power  of 
two.  If  you're  using  noncoherent  sampling,  you  can 
compress  leakage  around  the  main  lobe  by  using  a 
larger  record  length,  thereby  leaving  a  larger  percent- 
age of  the  Nyquist  spectrum  uncontaminated.  For  ex- 
ample, the  Hanning  weighting  leakage  is  ±10  bins 
from  the  fundamental  for  68-dB  side-lobe  suppression. 
If  the  record  length  is  256,  then  the  leaky  fundamental 
occupies  20  bins  out  of  128  spectral  components,  or  16% 
of  the  digital  spectrum.  When  M  equals  1024,  the  per- 
centage reduces  to  20/512,  or  4%. 

In  practice,  you  can  use  one  of  the  many  FFT  algo- 
rithms to  simplify  and  speed  the  DFT  calculations  (Ref 
5).  An  FFT  algorithm  will  produce  the  same  results 
as  the  DFT  equations  above,  and  the  computation  time 
is  much  faster. 
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The  discrete  Fourier  transform  is  the  most 
popular  method  for  determining  a  con- 
verter's true  S/N  ratio  and  effective  num- 
ber of  bits. 


Verify  the  FFT 

Consider  the  noise  floor  when  verifying  the  FFT. 
Assuming  that  the  round-off  error  contributed  by  the 
DSP-noise  calculation  (the  error  caused  by  using  a  fi- 
nite number  of  bits  in  the  FFT  multiplications  and 
additions)  is  negligible,  the  rms-signal  to  rms-noise 
level  in  a  single  frequency  bin  of  width  Af  is 

S/N  RATIOFFT=6.02N+1.76  dB+10  LOGI0 

This  equation  represents  the  FFT  noise  floor.  You 
should  choose  M  so  that  any  spurious  components  you 
want  to  resolve  lie  at  least  10  dB  above  this  floor. 

Basic  software  can  easily  generate  an  ideal  N-bit 
sine  wave  by  using  the  Integer  (INT)  function  to  trun- 
cate the  value  to  the  proper  resolution.  For  instance, 
an  input  signal  of  frequency  im  is  equal  to 

Vq=V0sin(^), 

where  n  is  the  nth  time  sample  for  an  ADC  that  has 
infinite  resolution.  You  can  calculate  the  corresponding 
I  value  using 
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in  the  above  equation 

V,(n)=INT  [2-sin(^)]. 

The  INT  function  simply  truncates  the  fractional  por- 
tion of  Vq(n). 

To  check  the  dynamic  range  of  the  FFT,  calculate 
the  S/N  ratio  by  using  6.02N  +  1.76  dB  for  increasing 
values  of  N  and  observing  the  point  at  which  the  S/N 
ratio  no  longer  increases  by  6.02  dB/bit.  The  sine-wave 
input  to  the  weighting  function  and  the  FFT  are  more 
ideal  as  N  approaches  infinity.  By  making  N  arbitrarily 
large,  you  can  greatly  reduce  quantization-error  effects 
and  analyze  the  true  noise  floor  of  the  FFT.  You  can 
also  examine  the  characteristics  of  the  weighting  func- 

Match  the  sine  wave  to  a  curve 

Another  test  method  to  use  with  flash  ADCs  is  sine- 
wave  curve  fitting.  You  perform  this  test  after  the 
ADC  digitizes  the  sine  wave  and  after  your  test  system 
stores  the  data  in  its  memory.  A  record  length  of  1024 
samples  is  usually  sufficient.  The  software  then  calcu- 


lates the  best-fit,  ideal  N-bit  sine  wave  to  match  the 
data  points,  based  on  the  sine  wave's  amplitude,  offset, 
frequency,  and  phase  required  to  minimize  the  rms 
error  between  the  actual  and  the  ideal  sine  wave  (Refs 
6  and  7).  This  method  also  requires  that  the  input 
sine-wave  frequency  contains  no  subharmonics  of  the 
sampling  rate.  If  you  know  the  precise  sine-wave  fre- 
quency, the  curve-fit  algorithm  is  much  simpler  than 
the  FFT  method,  and  the  probability  that  the  algo- 
rithm will  converge  is  higher. 

After  the  software  computes  the  rms  error,  QA(  be- 
tween the  ideal  sine  wave  and  the  actual  sine  wave, 
you  can  calculate  the  effective  number  of  bits  by  using 
■ 

EFFECTIVE  /Qa\ 
NUMBER  OF  BITS  1N  ^'VQt/' 

where  QT  is  the  theoretical  rms  quantization  error, 
q/Vl2.  This  measurement  includes  errors  due  to  differ- 
ential nonlinearity,  integral  nonlinearity,  missing 
codes,  aperture  jitter,  and  noise,  in  addition  to  the 
quantization  noise. 

The  effective  number  of  bits  that  you  calculate  using 
the  sine-wave  curve-fitting  method  correlates  with  the 
value  of  the  full-scale,  FFT  S/N-ratio  measurement 
obtained  using  the  equation 

EFFECTIVE     =  S/N  RATIOACTUAL-1.76  dB 
NUMBER  OF  BITS  6.02 

However,  if  you  measure  the  effective  bits  of  a  sine- 
wave  input  signal  whose  amplitude  is  less  than  full 
scale,  you  must  include  the  following  correction  factor 
in  the  above  equation  to  achieve  cor 
the  two  methods: 


;ion 


ENUEMTTEIRE--S/N  RATKW-1.76  dB 
OF  BITS 


6.02 


+  LEVEL  OF  SIGNAL  BELOW  FULL  SCALE  (dB) 
6.02 

One  useful  method  for  reducing  the  effects  of  the 
D/A  converter  in  making  gross  back-to-back  measure- 
ments on  an  ADC  is  the  beat-frequency  method.  Fig 
4  illustrates  a  basic  test  setup.  This  test  method 
stresses  the  converter  with  a  near-Nyquist  signal  and 
drives  the  converter  at  its  maximum  sampling  rate. 
Thus,  the  analog-input  sine  wave  should  be  slightly 
lower  in  frequency  than  half  the  sampling  frequency. 
The  test  system  updates  the  registers  that  drive  the 
DAC  at  an  even  submultiple  of  the  sampling  rate,  fs/N, 


ANALOG-TO-DIGITAL  CONVERTERS  3-83 


Coherent  testing  is  more  suited  to  a  labora- 
tory environment;  noncoherent  testing  more 
closely  represents  ADC  performance  in  the 
real  world. 


■ 


where  N  is  a  power  of  2.  (N  is  not  the  ADC's  resolu- 
tion.) The  resulting  signal  from  the  DAC  is  a  low- 
frequency  sine  wave  whose  exact  frequency  equals  the 
difference  between  half  the  sampling  rate  and  the  ana- 
log-input frequency.  As  Fig  4  shows,  you  should  clock 
the  DAC  at  a  much  lower  rate,  fg/N — known  as  the 
decimation  rate — thereby  reducing  the  effects  of 
glitches  and  other  dynamic  errors. 

You  can  use  the  beat-frequency  method  to  make 
signal-to-noise  measurements  over  the  Nyquist  band- 
width, fg/2N.  You  also  can  examine  the  low-frequency 
beat  on  an  oscilloscope  for  missing  codes  and  other 
nonlinearities.  To  measure  the  harmonic  content  of  the 
beat  frequency,  you  can  use  a  low-frequency  spectrum 
analyzer.  The  harmonics  of  the  low-frequency  beat  are 
directly  related  to  the  harmonics  of  the  analog-input 
frequency.  A  beat  frequency  of  a  few  hundred  kilohertz 
works  well.  To  prevent  jitter  on  the  low-frequency 
beat  signal,  you  must  derive  both  the  analog-input  sine 
wave  and  the  sampling  frequency  from  frequency  syn- 
thesizers or  crystal  oscillators. 

This  beat-frequency  test  is  also  effective  in  measur- 
ing the  flash  converter's  performance  for  input  signals 
near  the  sampling  frequency.  The  performance  under 
these  conditions  is  useful  for  radar  in-phase  and  quad- 
rature-phase systems  and  in  IF-to-digital  conversion. 
To  perform  this  test,  set  the  ADC's  analog-input  fre-' 
quency  to  slightly  less  than  the  sampling  rate.  The 
circuit  generates  a  low-frequency  beat  even  if  the  DAC 
updates  at  the  sampling  rate.  However,  updating  the 
DAC  at  fg/N  reduces  the  effects  of  DAC  dynamic  errors 
on  the  measurements. 

You  can  use  DSP  techniques  and  FFTs  to  analyze 
Fig  4's  decimated  data  for  a  wide  range  of  input  fre- 


quencies. You  do  have  to  remember  the  rules  of  ali- 
asing, however,  to  know  where  to  expect  the  funda- 
mental signal  to  show  up  in  the  FFT  output  spectrum. 
You  may  think  your  FFT  is  sampling  your  signal  at  a 
rate  of  fg/N,  but  the  converter  is  actually  sampling  at 
a  rate  of  fs. 

Once  you  understand  how  to  use  these  various  tech- 
niques, you  can  start  to  probe  your  particular  converter 
to  measure  its  real  performance.  Part  3  will  discuss 
how  you  apply  these  techniques  to  actually  test  an 
ADC  in  your  system  and  determine  a  number  of  static 
and  dynamic  specifications. 
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Fig  4— The  beat-frequency  test  stresses  the 
converter  with  a  near-Nyquist  input  signal, 

and  it  drives  the  converter  at  its  maximum 
sampling  rate.  You  can  then  examine  the 
low-frequency  beat  on  an  oscilloscope  and 
search  for  missing  codes  and  other  nan- 
linearities.  
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Designer's  Guide  to  Flash-ADC  Testing 


Part  3 

Measure  Flash-ADC  Performance  for  Trouble-Free 

by  Walt  Kester 


two  parts  of 
the  subtleties  of  flash  A/D  converters  and 
the  test  methods  used  to  evaluate  these  de- 
vices. Part  3  concludes  the  series  with  a 
discussion  of  the  actual  measurements  you'll 
need  to  fully  characterize  flash  A/D  con- 
verters. 

Although  manufacturers  have  expanded  the  number 
of  guaranteed  specifications  they  put  on  their  data 
sheets,  the  test  conditions  often  won't  match  those  of 
your  system  design.  You  can  use  the  methods  de- 
scribed in  Part  2  of  this  series  to  test  a  flash  A/D 
converter,  but  the  measurements  you  need  to  perform 
depend  on  the  converter's  primary  application.  This 
final  part  of  the  series  provides  information  on  impor- 
tant measurements  you'll  need  to  characterize  your 
converter's  performance,  including  total  harmonic  dis- 
tortion (THD),  differential  and  integral  nonlinearity, 
and  noise  power  ratio.  You'll  probably  want  to  start 
with  the  S/N  ratio,  a  measurement  that's  common  to 
most  A/D  converter  applications. 
The  S/N  ratio  is  the  ratio  of  the  rms  fundamental 
the  rms  quantization  noise.  As  described  in  Part  2, 


F 


you  can  measure  this  parameter  by  digitizing  a  pure 
sine  wave  and  performing  Fourier  transformations  on 
the  data.  The  rms  energy  contained  in  the  fundamental 
sine  wave  is  equal  to  the  square  root  of  the  sum  of  the 
squares  of  the  peak  value  and  the  values  of  the  appro- 
priate number  of  samples,  or  bins,  located  on  either 
side  of  the  peak.  The  converter's  resolution  and  its 
side-lobe  roll-off  characteristics  determine  the  number 
of  samples  you'll  need.  For  a  detailed  explanation  of 
sampling  requirements,  see  Part  2. 

The  rms  energy  in  the  remaining  frequency  bins 
represents  the  noise  due  to  theoretical  quantization, 
the  converter's  harmonic  distortion  and  excess  noise, 
and  the  FFT  round-off  error.  Take  the  square  root  of 
the  sum  of  the  squares  of  the  remaining  samples  (ex- 
cluding the  dc  components)  to  determine  the  rms  en- 
ergy. The  overall  S/N  ratio  of  the  A/D  converter  is 


S/N 


ratio  = 


20  log(rms  signal  level/rms  noise  level). 


You  can  measure  harmonic  distortion  in  a  similar 
manner.  The  test  program  (described  in  Part  2)  exam- 
ines the  FFT  frequency  spectrum  for  the  proper  loca- 
tion of  the  desired  harmonic  (harmonics  above  fs/2  will 
be  aliased  into  the  baseband)  and  determines  the  rms 
energy  in  that  harmonic.  The  following  equation  calcu- 
lates the  harmonic  distortion: 

Harmonic  distortion  =  20  log(rms  signal  level/rms 
harmonic  level). 


-  February  1,  1990 
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The  S/N  ratio  and  harmonic  distortion  are 
key  specifications  in  evaluating  the  perform- 
anceofA/D  converters. 
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The  total  harmonic  distortion  (THD)  is  the  root-sum- 
square  of  the  first  five  harmonics  of  the  fundamental. 
Use  this  number  in  place  of  the  rms  harmonic  level  in 
the  above  formula. 

Two-tone  intermodulation  tests  using  FFTs 

In  many  applications,  you  don't  have  the  simple  case 
of  a  single  input  frequency.  For  example,  in  communi- 
cation applications  that  multiplex  several  frequencies 
onto  a  single  carrier,  you  need  to  measure  intermodula- 
tion products.  You  determine  this  parameter  by  apply- 
ing two  sine  waves  of  different  frequencies  &  and  fz) 
to  an  A/D  converter.  You  then  measure  the  amplitudes 
of  the  third-order  intermodulation  products,  which  oc- 
cur at  frequencies  2ft 2fi-f2,  2f2  +  f1(  and  %~U, 

Although  it's  possible  to  filter  out  most  intermodula- 
tion distortion  if  the  two  tones  are  of  similar  frequen- 
cies, the  third-order  products  will  be  very  close  to  the 
fundamental  frequencies  and  thus  difficult  to  remove. 

To  avoid  clipping-induced  distortion,  the  amplitudes 
of  the  individual  tones  should  be  at  least  6  dB  below 
the  full-scale  range  of  the  flash  converter.  In  addition, 
the  frequency  separation  of  the  two  tones  should  be 
consistent  with  the  resolution  of  the  FFT.  As  discussed 
in  Part  2,  the  spectral  resolution  of  the  FFT  is  a  func- 
tion of  record  length  M,  coherence  vs  noncoherence, 
and  the  properties  of  the  windowing  function  that  you 
choose. 

In  receiver  applications,  you  often  want  to  know  the 
maximum  ratio  between  the  amplitude  of  a  single-tone 
input  signal  and  the  amplitude  of  its  maximum  spurious 


component.  For  an  ideal  A/D  converter,  this  ratio  oc- 
curs for  a  full-scale  input  sinusoid.  In  a  practical  A/D 
converter,  however,  spurious  content  is  a  function  of 
slew  rate.  Therefore,  the  maximum  spurious-free  dy- 
namic range  for  a  given  input  frequency  will  probably 
occur  at  a  level  somewhat  below  full  scale.  Because 
the  spurious-free  dynamic  range  is  slew-rate  depend- 
ent, it's  a  function  of  input  frequency  and  amplitude. 

Fig  1  is  a  plot  of  the  typical  maximum  spurious  level 
vs  input  signal  level.  Also  shown  is  a  plot  of  the  corre- 
sponding spurious-free  dynamic  range.  The  plot  dem- 
onstrates that  the  maximum  spurious-free  dynamic 
range  of  38  dB  occurs  for  an  input  signal  that's  about 
3  dB  below  full  scale. 

The  data  you  need  to  generate  these  plots  is  readily 
available  from  the  family  of  FFTs  calculated  for  the 
different  input  amplitudes.  By  knowing  the  input  signal 
level  that  gives  the  highest  spurious-free  dynamic 
range  at  frequencies  close  to  the  Nyquist  frequency, 
it's  possible  to  set  the  gain  of  the  system  to  take  maxi- 
mum advantage  of  the  A/D  converter's  spectral  charac- 
teristics. 

Histograms  are  helpful 

Differential  and  integral  nonlinearity  are  also  impor- 
tant measurements  of  converter  performance.  Try  a 
histogram  test  to  obtain  these  measurements.  To  make 
a  histogram  analysis,  digitize  a  known  periodic  input 
at  a  rate  that's  asynchronous  relative  to  the  input  sig- 
nal. To  gather  the  sample  data  for  the  histogram,  youll 
need  a  buffer  memory  and  a  test  system,  as  described 


■ 


Fig  1 — These  dynamic-range  plots  show  the 
power  levels  of  spurious  frequencies  and  the 
maximum  spurious-free  dynamic  range.  In 
this  example,  the  maximum  spurious-free 
dynamic  range  occurs  at  an  input  signal 
level  that's  3  dB  below  full  scale. 
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in  Part  2.  The  buffer  memory  will  probably  be  too 
small  to  hold  a  statistically  significant  number  of  sam- 
ples from  a  single  run  (several  hundred  thousand  are 
usually  required).  For  this  reason,  run  several  tests 
to  acquire  the  data  and  load  the  contents  of  the  buffer 
into  the  main  memory  of  your  test  system  after  each 
)  test  systems  from  Hewlett  Packard  and 
)  provide  histogram  test  capability. 
After  the  test  system  accumulates  a  statistically  sig- 
nificant number  of  samples,  it  can  determine  the  rela- 
tive number  of  occurrences  of  each  digital  code  (the 
code  density).  This  test  routine  then  normalizes  the 
data  based  upon  the  input  signal  and  analyzes  the  re- 
sults for  linearity  errors. 

For  an  ideal  A/D  converter  with  a  full-scale  triangu- 
lar-wave input,  you'd  expect  an  equal  number  of  codes 
in  each  bin.  The  number  of  counts  in  the  nth  bin,  H(n), 
divided  by  the  total  number  of  samples  taken,  M,  is 
the  bin  width  as  a  fraction  of  full  scale.  The  ratio  of 
the  actual  bin  width  to  the  ideal  bin  width,  P(n),  is  the 
differential  linearity.  Ideally,  this  ratio  should  be  unity. 
Subtracting  1  LSB  gives  you  the  differential  non- 
linearity. 

You  can  determine  integral  nonlinearity  with  a  cu- 
mulative histogram;  the  cumulative  bin  widths  are  the 
transition  levels.  However,  the  cumulative  effects  of 
errors  can  make  the  integral-nonlinearity  measurement 
inaccurate.  Histograms  are  used  more  often  in  evaluat- 
ing differential  nonlinearity. 

High-speed,  high-accuracy  triangular  waves  are  dif- 
ficult to  generate,  so  use  a  sine  wave.  All  codes  aren't 


equally  probable  with  a  sine-wave  input,  however,  and 
you  should  normalize  the  histogram  data  using  the 
probability  density  function  for  a  sine  wave,  as  shown 
in  Fig  2. 

To  obtain  accurate  results,  you  need  to  take  a  large 
number  of  samples.  For  example,  to  determine  the 
differential  nonlinearity  for  an  8-bit  flash  converter  to 
within  0.1  bit  with  99-percent  confidence,  you'll  need 
268,000  samples.  You  can  use  hardware  to  count  these 
samples,  thus  speeding  up  the  software  processing 
time.  For  high-speed  sampling,  decimate  the  output 
data  to  clock  rates  that  are  compatible  with  a  slower- 
speed  memory. 

Using  noise-power-ratio  tests 

You  can  use  noise-power-ratio  (NPR)  tests  to  meas- 
ure the  transmission  characteristics  of  frequency-divi- 
sion-multiplexed (FDM)  communications  links.  In  a 
typical  FDM  system,  4-kHz-wide  voice  channels  are 
"stacked"  in  frequency  for  transmission  over  coaxial, 
microwave,  or  satellite  equipment.  At  the  receiving 
end,  the  FDM  equipment  demultiplexes  the  data  and 
returns  it  to  individual,  4-kHz  baseband  channels.  In 
an  FDM  system  that  has  100  channels  or  more,  Gauss- 
ian noise  with  the  appropriate  bandwidth  approximates 
the  FDM  signal. 

The  test  setup  of  Fig  3  measures  an  individual  4-kHz 
channel  for  quietness  by  using  a  narrow-band  notch 
(bandstop)  filter  and  a  tuned  receiver  (Ref  4),  both  of 
which  measure  the  noise  power  inside  this  4-kHz  notch. 
The  NPR  measurements  are  straightforward.  With  the 
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Fig  2— Histograms  are  often  used  to  plot  differential  nonlinearity.  Shoum  here  is  a  curve  for  the  probability  density  function  of  a  sine 
wave,  which  is  used  to  normalize  histogram  data  to  produce  a  plot  of  differential  nonlinearity.  
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Where  multiple  frequencies  exist  on  a  single 
currier,  you  need  to  measure  intermodula- 
tion  distortion  as  well  as  harmonic  distor- 
tion. 


notch  filter  out,  the  receiver  determines  the  rms  noise 
power  of  the  signal  inside  the  notch.  The  notch  filter 
is  then  switched  in,  and  the  receiver  determines  the 
residual  noise  inside  the  4-kHz  slot.  The  ratio  of  the 
two  readings,  expressed  in  dB,  is  the  NPR.  You  should 
t«8t  several  slot  frequencies  across  the  noise  band- 
width—low, midband,  and  high. 

The  NPR  is  usually  plotted  on  an  NPR  curve  as  a 
function  of  rms  noise  level  referred  to  the  peak  range 
of  the  system.  For  very  low  noise  levels,  the  undesired 
noise  is  primarily  thermal  noise  and  is  independent  of 
the  input  noise  level.  Over  this  region  of  the  curve,  a 
1-dB  increase  in  the  noise  level  causes  a  1-dB  increase 
in  the  NPR.  As  the  noise  level  increases,  the  amplifiers 
in  the  system  begin  to  overload,  creating  intermodula- 
tion  products  that  cause  the  noise  floor  of  the  system 
to  rise.  As  the  input  noise  increases  further,  the  effects 
of  overload  noise  predominate,  reducing  the  NPR  dra- 
matically. FDM  systems  are  usually  operated  at  a 
noise-loading  level  a  few  decibels  below  the  point  of 
maximum  NPR. 

In  a  digital  system  containing  an  A/D  converter,  the 
noise  within  the  slot  is  primarily  quantizing  noise  when 
low  values  of  noise  input  signals  are  applied.  The  NPR 
curve  is  linear  in  this  region.  As  the  noise  input  level 
increases,  the  hard-limiting  action  of  the  converter 
causes  clipping  noise  to  dominate. 


In  a  practical  A/D  converter,  any  dc  or  ac  nonlineari- 
ties  cause  a  departure  from  the  theoretical  NPR.  Al- 
though the  peak  value  of  NPR  occurs  at  a  fairly  low 
input  noise  level  (rms  noise  =  1/4  V0,  where  ±V0  is 
the  range  of  the  A/D  converter),  the  broadband  nature 
of  the  noise  signal  stresses  the  device,  and  the  test 
provides  a  good  indication  of  its  dynamic  performance. 

Theoretically,  NPR  readings  should  be  independent 
of  any  particular  slot  frequency.  However,  because  of 
increased  nonlinearities  for  the  higher  input  frequen- 
cies, the  NPR  readings  in  the  higher  slots  tend  to  be 
lower. 

NPR  testing  using  DSP  techniques 

Using  FFT  analysis  techniques,  you'll  find  NPR 
measurements  a  real  challenge.  Consider  the  case 
where  the  record  length  is  1024  and  the  sampling  rate 
is  20  MHz.  The  FFT  of  1024  contiguous  time  samples 
would  place  a  spectral  component  every  19.53  kHz  (20 
MHz/1024).  Because  the  notch-filter  slot  width  is  ap- 
proximately 4  kHz,  the  probability  of  a  spectral  compo- 
nent falling  within  the  notch  is  very  low. 

To  achieve  reasonable  data  stability  in  the  FFT  NPR 
analysis,  a  number  of  samples  must  fall  within  the 
notch.  If  ten  samples  are  within  the  4-kHz  notch,  then 
the  resolution  of  the  FFT  would  need  to  be  400  Hz, 
necessitating  a  record  length  of  50,000  for  a  sampling 
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Fig  5 — You  can  use  this  test  setup  to  measure  noise  power  ratio  (NPR).  With  the  notch  filter  out,  the  receiver  determines  the  noise  power 
of  the  signal  inside  the  notch.  With  the  notch  filter  switched  in,  the  receiver  measures  the  residual  noise  inside  the  typical  U-kHz  slot.  The 
ratio  of  the  two  readings  (in  decibels)  is  the  NPR. 
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rate  of  20  MHz.  To  avoid  an  extremely  large  buffer 
memory  (and  hence  more  demands  on  the  FFT  proces- 
sor), you  need  to  make  the  notch  filter  wider.  For 
20-MHz  sampling  and  a  1024-word  buffer  memory,  a 
notch  filter  that  has  a  width  of  200  kHz  will  provide 
ten  frequency  bins  inside  the  notch.  Even  under  these 
conditions,  however,  you  should  average  the  NPR  cal- 
s  for  several  records  to  provide  reasonable  data 

Transient-response  testing 

The  response  of  a  flash  converter  to  a  transient  input 
such  as  a  square  wave  is  often  critical  in  radar  applica- 
tions. The  major  difficulty  in  implementing  this  test 
is  obtaining  a  flat  pulse  that's  commensurate  with  the 
converter's  resolution. 

A  test  setup  for  measuring  the  transient  response 
of  an  A/D  converter  is  shown  in  Fig  4.  If  you  mount 
the  Schottky-diode  flat-pulse  generator  as  close  as  pos- 
sible to  the  analog  input  of  the  A/D  converter,  you  can 
apply  a  signal  to  the  A/D  converter  that's  flat  to  at 
least  10-bit  accuracy  a  few  nanoseconds  after  it  reverse 
biases  the  Schottky  diodes. 

You  can  use  the  same  test  setup  to  measure  overvolt- 
age  recovery  time.  The  amount  of  overvoltage  is  gener- 
ally specified  as  a  percentage  of  the  A/D  converter's 
range.  For  a  converter  with  a  2V  input  range,  50% 
overvoltage  corresponds  to  IV  above  or  below  the 
nominal  2V  input  range.  You  make  the  starting  point 
of  the  flat  pulse  correspond  to  the  desired  overvoltage 
condition.  The  actual  recovery  time  is  referenced  to 
the  time  the  input  signal  re-enters  the  A/D-converter 


input  range.  As  in  the  transient-response  test,  you 
must  consider  the  sampling  (aperture)  time  delay  when 
making  this  measurement. 

The  aperture-time  and  -jitter  specifications  of  video 
A/D  converters  have  probably  been  the  least  under- 
stood and  most  misused  specifications  in  the  entire 
field.  The  original  concept  of  aperture  time  is  centered 
around  the  classic  S/H  circuit  of  Fig  5.  In  an  ideal  S/H 
circuit,  the  switch  has  zero  resistance  when  closed  and 
opens  instantly  on  receipt  of  an  encode  command.  In 
practice,  the  sampling  switch  changes  from  a  low  to  a 
high  resistance  over  a  certain  finite  time  interval.  An 
error  occurs  because  the  circuit  tends  to  average  the 
input  signal  over  the  finite  time  interval  required  to 
open  the  switch.  As  a  result,  the  sampled  voltage  var- 
ies from  the  voltage  at  the  instant  the  switch  starts 
to  open.  The  time  required  to  open  the  switch  is^the 
aperture  time.  The  error  is  determined  by  E,  =  t,  dV/ 
dt,  where  E.  is  the  aperture  error,  t,  is  the  aperture 
time,  and  dV/dt  is  the  rate  at  which  the  input  signal 
changes. 

A  simple  first-order  analysis,  which  neglects  no 
linear  effects,  shows  that  no  real  error  exists  for  such 
a  switch.  As  long  as  the  switch  opens  in  a  repeatable 
fashion,  there  is  an  effective  sampling  time  that  will 
cause  an  ideal  S/H  amplifier  to  produce  the  same  hold 
voltage.  The  difference  between  this  effective  sampling 
point  and  the  leading  edge  of  the  sampling  clock  is  a 
fixed  delay,  which  doesn't  constitute  an  error.  This 
effective  aperture  delay  is  the  period  from  the  leading 
edge  of  the  sampling  clock  to  the  instant  when  the 
input  signal  equals  the  hold  value.  This  specification 
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Fig  4— This  test  setup  measures  the  tran- 
sient response  of  an  AID  converter.  The 

Schottky-diode  network,  located  between 
points  A  and  B  in  the  circuit,  generates  a 
flat  pulse  for  the  input  of  the  converter. 
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free  dynamic  range  is  a  junction  of  We 
converter's  slew  rate  and  can  occur  at  a 
level  below  full  scale. 


ANALOG 
DELAY.  tda  APERTURE 
TIME.  I, 


Fig  5 — The  concept  of  aperture  time  centers  around  the  S/H  cir- 
cuit. In  practice,  the  sampling  switch  generates  an  error  because  of 
input-signal  averaging  over  the  finite  time  interval  needed  to  open 
the  switch.  The  aperture  time  is  the  time  needed  to  open  the  switch. 


is  important  because  it  helps  you  determine  when  to 
apply  the  sampling  clock  with  respect  to  the  input 
signal  timing. 

The  variation  in  effective  aperture  delay  is  important 
in  simultaneous  S/H  applications.  For  example,  in  both 
I  (in-phase)  and  Q  (quadrature)  radar  receivers  you 
may  have  to  provide  adjustable  delays  in  the  sampling 
clock  to  match  the  effective  aperture  delay  times  of 
several  A/D  converters.  You  should  also  consider  de- 
lay-time tracking  over  a  range  of  temperatures,  espe- 
cially in  military  systems  where  the  specified  operating 
temperature  ranges  from  -  55  to  +  125°C. 

True  aperture  errors,  however,  do  result  from  vari- 
able time  delays.  In  a  practical  A/D  converter,  the 
sampling  clock  is  often  phase-modulated  by  some  un- 
wanted source;  the  source  can  be  wideband  random 
noise,  power-line  frequency,  or  digital  noise  due  to 
poor  grounding  techniques.  Phase  jitter  on  the  input 


sine  wave  can  produce  the  same  effect  as  jitter  on  the 
sampling  clock.  The  resulting  error  is  called  aperture 
jitter.  The  corresponding  rms  voltage  error  caused  by 
the  rms  aperture  jitter  qualifies  as  a  valid  aperture 
error. 

The  aperture-jitter  specification  is  sometimes  inter- 
preted as  a  measure  of  the  converter's  ability  to  accu- 
rately digitize  rapidly  changing  input  signals.  An  A/D 
converter  with  an  impressive  aperture-jitter  specifica- 
tion still  may  lose  effective  bits  when  digitizing  a  sine 
wave  that  has  a  maximum  slew  rate  calculated  from 
the  aperture  formula  E,  =  t„  dV/dt. 

For  example,  assume  that  a  20-MHz,  8-bit  flash  con- 
verter has  a  bipolar  input  range  of  ±  V0  (2V0  p-p)  and 
an  aperture  jitter  specification  of  20  psec  rms.  To  calcu- 
late the  maximum  aperture-jitter  error,  convert  the 
rms  aperture  jitter  into  a  maximum  value.  If  you  con- 
sider that  aperture  jitter  follows  a  Gaussian  distribu- 
tion similar  to  white  noise,  the  rms  aperture  jitter,  t,, 
corresponds  to  the  sigma  (a)  of  the  distribution.  The 
2cr  point  on  the  distribution  is  a  good  place  to  set  the 
maximum  value,  and  the  maximum  aperture  jitter  be- 
comes is  2t,. 

If  the  corresponding  maximum  voltage  error  (AV) 
at  the  zero  crossing  of  a  full-scale  sine  wave  is  set  to 
lA  LSB  CAt  LSB  =  2Vo/2N+1,  where  N  equals  the  resolu- 
tion of  the  AD  converter),  then  you  can  calculate  the 
maximum  full-scale  sine-wave  frequency,  f^,  which 
will  produce  the  Vfe  LSB  aperture  error,  by  using  the 
following  equations: 

V(t)  =  V0  •  sin  (217ft), 

^  =  27TfVo  •  COS  (277ft), 

max  =  |^  =  27rV0fmx|,  and 


dV 
dt 


f  = 


AV 


4^  =  2^-2N+1- 


For  t.  =  20  psec  rms  and  N  =  8,  is  16  MHz.  These 
calculations  imply  that  a  20-MHz  flash  converter  can 
accurately  digitize  a  full-scale  sine  wave  of  16  MHz. 
In  actual  practice,  however,  the  device  may  begin  to 
suffer  from  skipped  codes,  decreased  effective  bits  and 
S/N  ratio,  and  ac  nonlinearities  at  much  lower  frequen- 
cies. 

You  can  calculate  the  effects  of  aperture  jitter  on 
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Histograms  are  useful  in  evaluating  the 
differential  nonlinearity  of  an  A/D  con- 
verter. 


the  full-scale  sine-wave  S/N  ratio  as  follows: 
V(t)  =  V0  •  sin  (2H), 

^  =  2irfVo  •  cos  (2wA),  and 


dV_ 


2irfV0 


,-rms  =  .—  . 
dt  V2 


For  an  rms  error  voltage,  AV™,,  and  an  rms  aperture 
jitter  of  t,, 

AV"»  =  27rfVQ| 
t,  V2 

AV    i  2irfV0t. 
™  VI 

The  rms-signal  to  rms-noise  ratio,  expressed  in  deci- 
bels, is 

S/N  ratio  =  20  log  [^] 

The  S/N  ratio  that's  due  exclusively  to  aperture  jitter 
in  the  above  equation  is  plotted  in  Fig  6  as  a  function 
of  the  full-scale  input-sine-wave  frequency  for  various 
values  of  aperture  jitter. 

Consider  an  8-bit,  20-MHz  A/D  converter  with  an 
rms  aperture  jitter  of  20  psec.  For  an  8-MHz  full-scale 
input,  the  S/N  ratio  due  only  to  aperture  jitter  is  60 
dB,  as  calculated  from  the  equation.  The  theoretical 
S/N  ratio  due  to  quantizing  noise  in  an  8-bit  flash  con- 
verter is  50  dB.  When  you  combine  the  S/N  ratio  of 
60  dB  with  the  S/N  ratio  of  50  dB,  you  obtain  a  theoreti- 
cal S/N  ratio  of  49.6  dB,  which  encompasses  both  the 
ideal  quantizing  noise  and  the  noise  due  to  aperture 
jitter.  A  practical  8-bit  device  that  has  an  rms  aperture- 
jitter  specification  of  20  psec  may,  however,  only 
achieve  an  S/N  ratio  of  40  dB  under  these  conditions. 

Therefore,  to  accurately  evaluate  the  A/D  con- 
verter's dynamic  performance,  you  must  carefully  ex- 
amine the  S/N  ratio,  effective  number  of  bits,  and  aper- 
ture-jitter specifications. 

Try  measuring  the  aperture  jitter  of  an  A/D  con- 
verter using  the  test  setup  shown  in  Fig  7.  The  low- 
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Fig  6— This  plot  compares  the  SIN  ratio  to  the  full-scale  sine-wave 
input  frequency  for  various  values  of  aperture  jitter.  


jitter  pulse  generator  produces  both  the  sampling  clock 
and  the  analog  input  signal  to  minimize  the  phase  jitter 
between  them.  Adjust  the  phase  shifter  until  the  A/D 
converter  repetitively  samples  the  sine  wave  at  its 
point  of  maximum  slew  rate  at  midscale.  Then  take  a 
histogram  on  the  digitized  A/D-converter  output  data. 

An  ideal  A/D  converter  with  no  aperture  jitter  would 
have  only  one  code  present  on  the  histogram.  A  practi- 
cal converter  gives  a  distribution  of  codes  that  you  can 
fit  to  the  normal  distribution.  The  sigma  (2)  of  the 
distribution  corresponds  to  the  rms  error  voltage, 
AV™,,  produced  by  the  rms  aperture  jitter.  Calculate 
the  aperture  jitter,  t„,  from  the  formula 


t  -  av™ 
*  dV 
dt 


where  dV/dt  is  the  rate-of-change  of  the  sine  wave  at 
zero  crossing. 

If  you  sufficiently  attenuate  the  input  sine  wave, 
any  spreading  of  the  distribution  around  the  nominal 
code  is  due  to  intrinsic  A/D-converter  noise.  As  the 
input  sine  wave  increases  in  amplitude,  the  slew  rate, 
dV/dt,  becomes  proportionally  greater,  and  the  distri- 
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Noise-power-ratio  tests  are  useful  in  deter- 
mining the  transmission  characteristics  of 
frequency-division-multiplexed communica- 
tions links. 


bution  begins  to  spread  because  of  the  aperture  jitter. 
Because  high  slew  rates  can  affect  the  ac  differential 
linearity  of  the  converter,  you  should  exercise  caution 
when  interpreting  the  histogram  for  high  slew-rate 
inputs. 

The  offset  adjustment  shown  in  Fig  7  lets  you  posi- 
tion the  sine  wave  at  different  points  on  the  A/D-con- 
verter  range.  In  this  way,  you  can  see  variations  attrib- 
uted to  range-dependent  differential-linearity  charac- 
teristics. When  offsetting  the  sine  wave,  make  sure 
you  don't  exceed  the  A/D  converter's  input  range. 

It's  also  possible  to  measure  effective  aperture  delay 
by  using  the  locked-sine-wave  technique.  Adjust  the 
phase  shifter  until  the  output  reads  midscale.  Use  a 
dual-trace  scope  to  determine  the  difference  between 
the  leading  edge  of  the  sampling-clock  pulse  and  the 
actual  zero  crossing  of  the  sine-wave  input.  This  differ- 
ence is  the  effective  aperture  delay,  which  can  be  either 
negative  or  positive,  depending  on  the  values  of  the 
internal  analog  and  digital  delays  in  the  S/H  portion 
of  the  A/D  converter. 

At  present,  no  industry  standard  exists  for  either 
the  definition  or  the  test  for  A/D-converter  error  rates. 
In  flash  converters,  comparator  metastable  states  can 
occur  for  low-  or  high-frequency  input  signals.  At  high 
frequencies,  bubbles  in  the  thermometer  code  of  the 
comparator-bank  output  can  also  produce  erroneous 
output  codes. 

Because  error  rates  less  than  1x10" 16  are  typical 
for  well-behaved  A/D  converters,  you  need  to  take  a 
large  number  of  samples  to  properly  measure  the  error 
rate.  You  must  also  take  great  care  in  the  test-set 


layout,  grounding,  shielding,  and  power-supply  decou- 
pling so  that  60-Hz,  EMI,  or  RFI  glitches  don't  create 
erroneous  errors. 

Use  the  circuit  in  Fig  8  to  measure  the  error  rate 
for  low-frequency  input  signals.  Apply  a  low-fre- 
quency, full-scale  sine  wave  (or  triangle  wave)  to  the 
A/D  converter  so  that  its  rate  of  change  is  less  than  1 
LSB/sample.  This  step  ensures  that  the  transition 
zones  between  codes  are  all  adequately  exercised.  An 
error  amplitude  of  X  LSBs  is  established  as  the  lower 
limit  for  the  definition  of  a  qualified  error.  Usually, 
you  select  X  to  be  several  LSBs  so  that  random  noise 
doesn't  produce  errors.  The  software  or  hardware  then 
examines  the  difference  between  each  adjacent  sample 
and  records  the  number  of  times  this  difference  exceeds 
the  error  threshold,  X.  If  NQ  is  the  number  of  qualified 
errors  that  occur,  and  NT  is  the  total  number  of  sam- 
ples taken,  then  the  error  rate,  ER,  is  given  by  the 
equation  ER  =  NQ/2NT. 

As  an  example,  consider  an  8-bit,  lOOM-sample/sec 
flash  converter  designed  to  take  at  least  ten  samples 
at  each  code  level.  For  one  slope  of  the  triangle-wave 
input,  the  number  of  samples  required  is 
10  x  256  =  2560  samples.  The  frequency  of  the  triangle 
wave  is 


2560  ■  2  •  10  nsec 


=  19.5  kHz. 


At  a  100-MHz  sampling  rate,  the  average  time  required 
to  make  an  error  for  an  error  rate  of  1  x  10"9  is  10 
seconds. 


Fig  7 — In  this  test  setup  for  measuring  ap- 
erture jitter,  you  adjust  the  phase  shifter 
until  the  AID  converter  repetitively  samples 
the  sine  wave  at  its  point  of  maximum  slew 
rate.  You  then  take  a  histogram  of  the  digi- 
tized A/D-converter  output  data.  The  offset 
adjustment  lets  you  position  the  sine  wave 
at  different  points  on  the  converter's  range. 
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Aperture  time  and  aperture  jitter  for  A/D 
converters  are  probably  the  most  misunder- 
stood and  misused  specifications. 
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Fig  8 — The  effective  aperture  delay  is  the 

time  difference  between  the  leading  edge  of 
the  sampling-clock  pulse  and  the  actual  zero 
s  sine-wave  input. 


ERROR 
COUNTER 


In  a  similar  manner,  you  can  measure  dynamic  errors 
caused  by  fast  input  signals  by  using  the  beat-fre- 
quency approach.  You  choose  the  low-frequency  beat 
frequency  to  give  the  proper  number  of  samples  per 
code  level,  and  then  you  examine  the  decimated  digital 
outputs  for  adjacent  sample  differences  that  exceed 
the  allowable  error  amplitude. 

In  summary,  determining  appropriate  error-rate  cri- 
teria for  an  A/D  converter  depends  upon  both  the  appli- 
cation and  the  characteristics  of  the  converter  under 
consideration.  Flash  converters  that  use  straight  bi- 
nary decoding  with  no  additional  correction  logic  are 
most  subject  to  large  metastable  errors  at  midscale. 
For  this  situation,  a  low-amplitude  dither  signal  cen- 
tered on  the  midscale  code  transition  might  be  an  ap- 
propriate stimulus.  In  a  more  well-behaved  flash  con- 
verter, a  full-scale  signal  that  exercises  all  codes  might 
be  desirable. 

If  you  plan  to  digitize  composite  video  signals,  you'll 
need  to  measure  the  differential-gain  and  -phase  per- 
formance of  the  flash  A/D  converter.  Differential  gain 
is  the  percentage  difference  between  the  digitized  am- 
plitudes of  two  signals.  Likewise,  differential  phase  is 
the  phase  difference  between  the  digitized  values  of 
the  same  two  input  signals.  The  input  signals  are  typi- 
cally a  high-frequency  low-level  sine  wave  representing 
the  color  subcarrier  frequency,  superimposed  on  a  low- 
frequency  sine  wave.  Distortion-free  processing  of  the 
color  signal  requires  that  the  flash  converter  alters 
neither  the  amplitude  nor  the  phase  of  the  chrominance 
signal  as  a  function  of  the  luminance-signal  level. 


The  best  method  for  performing  composite  video 
tests  is  to  use  an  A/D  converter  back-to-back  with  a 
D/A  converter.  Connect  a  TV  test  signal  to  the  A/D 
converter  and  use  the  output  of  the  D/A  converter  to 
drive  a  vectorscope.  To  ensure  that  the  test  accurately 
measures  the  A/D  converter's  performance,  use  a  low- 
glitch  D/A  converter  followed  by  a  track-and-hold 
deglitcher.  In  addition,  the  dc  accuracy  of  the  D/A 
converter  should  exceed  that  of  the  A/D  converter. 
When  testing  an  8-bit  flash  converter,  use  a  D/A  con- 
verter with  at  least  10  bits  of  accuracy. 
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Undersampling  Techniques  Simplify  Digital  Radio 

by  Richard  Groshong  and  Stephen  Ruscak 


By  Sampling  Below  The 
Nyquist  Rate  With  A  New 
Type  Of  ADC,  Designers 
Can  Exploit  The 
Benefits  Of  Digital  Radio. 

Digital  techniques  offer  some  inher- 
ent advantages  in  communication- 
receiver  design.  These  advantages, 
however,  have  been  offset  by  both 
the  cost  and  dynamic  range  limita- 
tions of  analog-to-digital  converters 
(ADCs).  Consequently,  designers 
continued  to  use  analog  circuitry 
despite  its  associated  complexity 
and  lack  of  flexibility.  But  recent  introductions  of 
low-cost,  highly  linear  ADCs,  combined  with  a  tech- 
nique known  as  undersampling,  make  digital  pro- 
cessing the  architecture  of  choice. 


A  review  of  receiver  design  shows  how  digital 
processing  can  improve  performance.  High-perfor- 
mance communication  receivers  invariably  are  su- 
perheterodyne designs.  A  typical  example  is  a  dou- 
ble-conversion unit  that  uses  a  broadband  front- 
end  and  fixed-frequency  bandpass  filters  after  con- 
version to  an  intermediate  frequency  (Fig.  1).  The 
input  filter  ensures  the  selectivity  needed  to  pre- 
vent strong  signals  outside  of  the  receiver's  normal 
tuning  range  from  overloading  the  first  mixer  and 
generating  spurious  signals. 

The  first  mixer  upconverts  the  received  signal  to 
the  first  intermediate  frequency  (IF),  which  is  high 
enough  to  simplify  design  of  the  broadband  input 
filter  but  low  enough  to  permit  use  of  a  low-cost 
crystal  filter.  The  first  IF  is  typically  well  above  the 
highest  receive  frequency  so  the  broadband  input 
filter  can  attenuate  undesirable  signals.  Other- 
wise, these  signals  can  feed  through  the  first  mixer 
and  prevent  the  receiver's  IF  rejection  specifica- 
tion from  being  met.  The  input  filter  must  also  re- 
duce the  undesired  first-mixer  image  response  at 
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1 1.  A  TYPICAL  ANALOG  COMMUNICATION  receiver  ma;  need  several  bandpass  niters  and  demodulation  circuits  to  support 
H  the  bandwidth  requirements  and  desired  operating  modes. 

This  article,  the  first  of  a  two-part  series,  covers 
the  fundamentals  of  digital  radio  and  under- 
sampling.  The  second  part  will  describe  a  practi- 
cal digital  receiver,  including  the  design  of  an 
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BY  USING  DIGITAL  COMPONENTS  (including  a  software-reconfigurable  digital-signal  processor)  after  the  second  IF 
ritffar.  designers  can  simplify  the  receiver  circuit  and  reduce  costs. 


frequencies  twice  the  first  IF  away 
from  the  tuned  frequency. 

The  first-IF  bandpass  filter  pro- 
tects the  first-IF  amplifier  from 
overloading  on  signals  that  are  with- 
in the  receiver  tuning  range  but  out- 
side of  the  desired  receive-signal 
bandwidth.  This  filter  also  attenu- 
ates the  second-mixer  image  re- 
sponse at  twice  the  second-IF  away 
from  the  desired  signal  frequency. 
The  first-IF  amplifier  supplies  just 
enough  gain  to  allow  a  low  receiver 
noise  figure  (for  good  sensitivity  and 
a  low  noise  floor)  while  maintaining  a 
high  dynamic  range. 

The  second  mixer  downconverts 
the  first  IF  to  a  frequency  that  per- 
mits the  most  receiver  selectivity, 
gain,  and  signal  processing  at  a  rea- 
sonable cost.  In  the  typical  communi- 
cation receiver,  many  second-IF 
bandpass  filters  may  be  needed  to 
support  the  desired  operating  modes 
and  bandwidth  requirements.  Addi- 
tional frequency  conversion  to  base- 
band may  also  be  required,  as  well  as 
multiple  demodulation  modes  or  em- 
bedded modems. 

Analog-hardware  costs,  however, 
generally  increase  with  the  number 
of  receiver  operating  modes.  Conse- 
quently, using  a  software-reconfi- 
gurable  digital-signal  processor  for 
the  second-IF  functions  can  reduce 
costs.  Digital  components  can  re- 
place the  second-IF  and  baseband 
functions  (Fig.  2). 

Digital  processing  can  also  simpli- 
fy the  design  of  the  receiver's  analog 
front-end.  For  example, 


signal-processing  algorithms  can 
perform  the  fine  tuning  function, 
perhaps  in  1-Hz  steps  over  a  1-kHz 
range.  This  would  allow  the  receiv- 
er's variable  injection  synthesizer  to 
tune  it's  broadband  input  range  in  1- 
kHz,  rather  than  1  Hz,  steps.  Also, 
the  programmable  digital  filters  can 
compensate  the  passband  magni- 
tude and  phase  responses  of  the  ana- 
log front-end  filter,  so  a  lower  cost 
filter  can  be  used. 

New  Devices  Help 

Although  the  ADC  in  the  second 
IF  is  a  key  component,  it  is  only  one 
element  of  a  sampling  system.  Other 
elements  include  input  conditioning 
amplifiers,  a  sample-and-hold  ampli- 
fier, a  voltage  reference,  digital  in- 
terfacing circuitry,  and  clock  condi- 
tioning circuitry.  Older  sampling 
systems  were  implemented  in  expen- 
sive, high-power  hybrid  devices.  Re- 
cently, however,  low-cost  monolithic 
sampling  systems  have  become 
available.  For  instance,  an  integrat- 
ed ADC  and  sample-and-hold  ampli- 
fier on  one  die  form  the  core  of 
what's  called  a  "sampling  ADC."  In 
this  article,  the  term  ADC  refers  to 
such  a  system. 

The  sample  rate  of  the  second-IF 
ADC  is  an  important  factor.  The  digi- 
tal-signal processor's  efficiency  is 
largely  determined  by  the  sample 
rate,  regardless  of  the  algorithms 
used  by  the  processor."  The  higher 
the  sample  rate,  the  lower  the  effi- 
ciency. Likewise,  nonlinearities  in 
rill  dom- 


inate the  ADC's  linear  dynamic 
range,  which  consequently  is  affect- 
ed by  the  second-IF.  Higher  IF  fre- 
quencies result  in  lower  dynamic 
range. 

The  digital-signal-processor  de- 
signer, therefore,  wants  to  use  the 
lowest  IF  and  sample  rate  possible  to 
keep  the  receiver  dynamic  range  and 
digital-signal-processor  efficiency 
high.  On  the  other  hand,  the  analog 
front-end  designer  wants  a  high  IF 
and  sample  rate  to  control  image  re- 
sponses and  aliasing  in  the  ADC 
without  a  costly  first-IF  filter.  Both 
designers  can  be  satisfied  by  using 
undersampling  techniques  and  sam- 
pling ADCs  such  as  the  AD679  and 
AD779,  which  have  a  built-in  high- 
performance  sample-and-hold  cir- 
cuit that  is  characterized  i 
quist  frequencies. 

Several  operating  considerations 
affect  digital  receiver  design.  For  ex- 
ample, high  frequency  (HF)  commu- 
nication in  the  2-to-30-MHz  band  gen- 
erally consists  of  long-distance  voice 
transmissions  with  bandwidths  on 
the  order  of  3  kHz,  in  a  dense  inter- 
ference environment.  Undesired  sig- 
nals from  anywhere  in  the  world  can 
interfere  with  small  desired  signals 
at  the  receiver.  Spectrum  crowding 
and  the  possibility  of  high-power 
transmitters  close  to  the  receiver 
make  high  dynamic  range  a  must. 

Specifically,  a  typical  HF  receiver 
must  be  sensitive  enough  to  receive  a 
0.5-juV  (-113  dBm)  signal  at  the  re- 
ceiver input  (50  a)  with  a  10-dB  sig- 
nal-to-noise ratio  (SNR)  in  a  3-kHz 
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not  normally  a  limitation,  nowever, 
the  receiver  must  also  be  able  to  re- 
ceive a  1-V  signal  (+13  dBm)  without 
significant  distortion.  Consequently, 
in-band  dynamic  range  must  be  at 
least  126  dB. 

Unfortunately,  a  digital  receiver's 
dynamic  range  is  adversely  affected 
by  the  fact  that  the  bulk  of  the  receiv- 
gain  must  be  ahead  of  the  ADC 
.nd  the  second-IF  bandpass  digital 
filters.  The  high  gain  is  needed  to 
drive  the  ADC  at  a  sufficient  level.  In 
,n  analog  design,  on  the  other  hand, 
;he  gain  occurs  after  the  second-IF 
bandpass  filters  (Fig.  1,  again). 

In  the  digital  design,  this  position- 
ing means  that  undesired  out-of- 
band  signals  can  pass  through  the 
wider-bandwidth  receiver 
and  saturate  the  amplifier  and 
This  must  be  avoided  because  ADC 
saturation  generates  many  aliased 
in-band  harmonic  and  intermodula- 
tion  products  that  can  block  a  weak 
signal.  The  solution  lies  in  automatic 
gain  control  (AGC)  and  the  use  of 
large-wordlength,  highly  linear 
ADCs. 

The  AGC  performs  the  same  over- 
all function  in  a  digital  receiver  as  in 
an  analog  receiver.  But  in  a  digital 
receiver,  more  AGC  must  occur  at 
the  front-end  to  prevent  overloading 
of  the  amplifier  and  ADC.  The  AGC 
signal  is  usually  derived  from  the 
narrow-band  IF  filter  output,  which 


port  me  requireu  uimid  ui  uyiiainic 
range. 

A  system-level  analysis  deter- 
mines the  desired  receiver  gain  dis- 
tribution, or  analog  versus  digital 
gain.  The  maximum  analog  gain 
must  be  high  enough  to  prevent  the 
ADC's  quantizing  noise  from  de- 
grading the  receiver  noise  figure  or 
sensitivity  below  their  desired  limits 
at  small  input  levels.  As  the  signal 
increases  above  the  sensitivity  level, 
the  AGC  should  not  decrease  the 
gain  until  an  adequate  SNR  is  ob- 
tained. Above  that  level,  the  analog 
AGC  should  hold  the  signal  level  at 
the  ADC  essentially  constant. 

Headroom  Needed 

In  addition,  the  gain  control  must 
allow  enough  "headroom"  at  the 
ADC  to  avoid  saturation  during  nor- 
mally high  peak-to-average  voltage 
ratio  periods  of  the  desired  signal. 
For  normal  speech  signals,  this  head- 
room may  have  to  be  at  least  20  dB 
above  the  average  level. 

When  strong  signals  fall  outside 
the  digital  filter's  narrow  bandwidth 
but  inside  the  analog  first-IF  filter's 
bandwidth,  the  receiver  must  be  able 
to  detect  any  ADC  overload.  Then 
the  receiver  gain  must  be  redistrib- 
uted by  reducing  the  analog  gain  and 
increasing  the  digital  gain  to  main- 
tain a  constant  output  signal  level. 
This  action,  however,  will  reduce  the 
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the  ADC's  sampling  rate  must  be  at 
least  twice  the  IF  frequency.  Howev- 
er, this  is  not  true  when  sampling  a 
bandpass  signal. 

In  the  time  domain,  sampling  can 
be  thought  of  as  multiplying  the  ana- 
log input  signal  by  an  impulse  train 
that  has  the  same  period  as  the  sam- 
ple clock  (Fig.  3a).  In  the  frequency 
domain,  the  equivalent  process  is 
convolution  of  the  analog  signal 
spectrum  with  the  impulse  train 
spectrum.  The  result  of  the  convolu- 
tion is  a  set  of  images  of  the  original 
spectrum  at  integer  multiples  of  the 
sampling  frequency,  including  dc 
(Fig.  3b). 

If  the  sampling  rate  decreases  as 
the  spectrum  bandwidth  remains 
constant,  the  adjacent  images  get 
closer  together  until  they  begin  to 
overlap.  At  this  point  the  signal  spec- 
trum is  distorted,  corrupting  the  in- 
formation in  the  signal.  This  problem 
is  called  aliasing  distortion  and  ex- 
plains the  traditional  interpretation 
of  the  Nyquist  criterion,  which  re- 
quires a  sampling  rate  of  more  than 
twice  the  highest  frequency  of  the 
signal  being  sampled. 

In  the  case  of  a  bandpass  signal, 
however,  designers  can  use  under- 
sampling,  which  means  sampling  at 
a  rate  less  than  twice  the  highest  fre- 
quency being  converted.  To  under- 
stand why  undersampling  (also 
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3.  IN  THE  TIME  DOMAIN,  sampling  is  the  multiplication  of  the  analog  signal  and  an  impulse  train  with  the  same  period  as  the 
sample  clock  (a).  The  equivalent  in  the  frequency  domain  is  convolution  (b).  If  the  analog  signal  is  bandlimited  to  be  less  than  one-half  the 
sampling  rate  and  doesn't  cross  a  multiple  of  the  sample  clock,  the  converter  can  undersample  the  signal  without  causing  aliasing  (c). 
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called  harmonic  or  bandpass  sam- 
pling) is  an  ideal  technique  in  radio 
applications,  designers  must  study 
the  spectrum  of  the  typical  radio  re- 
ceiver IF  signal. 

The  IF  signal,  which  is  a  bandlimit- 
ed  high-frequency  signal,  is  applied 
to  the  input  of  the  ADC,  resulting  in 
a  frequency-domain  convolution.  Al- 
though the  spectrum  of  the  IF  signal 
begins  at  a  considerably  higher  fre- 
quency than  that  of  a  baseband  sig- 
nal containing  the  same  information, 
the  resulting  convolution  is  theoreti- 
cally identical  (Fig.  3c). 

Now  it  should  be  evident  that  un- 
dersampling  must  also  satisfy  Ny- 
quist's  theorem.  However,  the  sam- 
pling rate  must  be  at  least  twice  the 
bandwidth  of  interest,  not  twice  the 
highest  absolute  frequency.  Obvi- 
ously, this  makes  a  big  difference  in 
the  case  of  an  IF  signal. 

Proper  undersampling  presents 
some  other  restrictions.  For  one 
thing,  the  signal  bandpass  spectrum 
should  not  cross  an  integer  multiple 
of  one-half  the  sample  rate.  If  it  does, 
the  convolution  will  create  overlap- 
ping images  and  alias  distortion. 
Also,  designers  must  select  an  ADC 
with  input  circuitry  that  supports 
the  highest  signal  frequency,  other- 
wise the  ideal  impulse  sampling  mod- 
el will  not  hold. 

Another  important  factor  is  that 
ideal  undersampling  assumes  that 
the  sampling  system  behaves  identi- 
cally for  both  high-frequency  and 
low-frequency  inputs.  At  high  fre- 
quencies, however,  converters  suf- 
fer from  errors  that  manifest  them- 
selves as  noise  and  harmonic  distor- 
tion in  the  recovered  baseband  sig- 
nal. These  errors  limit  the  receiver's 
ability  to  recover  an  undersampled 
signal  in  uncorrupted  form.  Imper- 
fections that  were  insignificant  for 
sub-Nyquist-frequency  inputs  re- 
quire additional  scrutiny  in  under- 
sampling  applications. 

As  a  result,  designers  must  exam- 
ine ADC  specifications  that  are  very 
different  than  those  that  were  im- 
portant for  conventional  conversion 
applications.  Traditional  perfor- 
mance measures — such  as  integral 
nonlinearity  (INL)  and  differential 
nonlinearity  (DNL)  are  character- 


ized with  tests  using  dc  inputs.  But 
INL  and  DNL  are  only  partly  respon- 
sible for  the  nonlinearities  that  arise 
in  the  presence  of  ac  signals. 

Additional  Factors 

Radio  designers  must  also  be  con- 
cerned with  the  converter's  effect  on 
the  signal  spectrum.  This  type  of  ac 
characterization  specifies  total  har- 
monic distortion  (THD),  signal-to- 
noise-plus-distbrtion  [S/(N+D)],  in- 
termodulation  distortion  (IMD),  ap- 
erture jitter,  and  full-power  band- 
width. Additionally,  amplifier  slew- 
rate  limiting,  phase  jitter,  and 
decreasing  open-loop  gain  become 
increasingly  significant  in  the  pres- 
ence of  high-frequency  signals. 

The  parameters  may  be  interrelat- 
ed. For  example,  converter  resolu- 
tion, which  sets  the  quantization 
noise  floor,  also  determines  the  re- 
ceiver's maximum  theoretical  dy- 
namic range  and  affects  SNR.  As- 
suming a  full-scale  sine  wave  signal, 
the  maximum  theoretical  SNR  of  an 
ideal  ADC  is1 

SNR(dB)  =  6.02b  +  1.76  dB 

where  b  =  the  number  of  bits. 

This  equation  assumes  that  the  mea- 
surement bandwidth  spans  the  en- 
tire Nyquist  bandwidth  of  one-half 


the  sample  rate  (fs/2).  If  the  band- 
width is  reduced  after  conversion  to 
less  than  the  full  Nyquist-criteria 
bandwidth,  the  quantization  noise 
power  in  this  spectrum  will  be  lower, 
resulting  in  a  higher  SNR.  This  con- 
dition is  reflected  in  a  generalized 
SNR  equation: 

SNR  (dB)  =  6.02b  +  1.76  dB  + 
101og10(fs/2BW) 

where  fs  =  the  sample  rate  in  Hz  and 
BW  =  the  information  bandwidth  in 
Hz. 

For  example,  if  fs  =  96  kHz,  and 
the  signal  spans  the  entire  Nyquist 
bandwidth  (48  kHz),  the  maximum 
SNR  for  a  14-bit  converter  is  86.04 
dB.  But  in  the  case  of  a  bandlimited 
IF  signal,  which  may  span  a  16-kHz 
bandwidth,  the  generalized  equation 
predicts  a  maximum  theoretical 
SNR  of  90.81  dB. 

Unfortunately,  other  noise 
sources,  such  as  aperture  jitter,  also 
degrade  an  ADC's  SNR.  Aperture 
jitter  or  uncertainty  is  the  variation 
associated  with  the  exact  moment 
that  a  sample-and-hold  amplifier 
goes  into  hold  mode.  Both  external 
(somewhat  correctable)  and  internal 
(uncorrectable)  sources  cause  aper- 
ture jitter.  External  jitter  results  pri- 
marily from  the  designer's  inability 
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to  deliver  a  jitterless  sampling  clock 
to  the  ADC.  Internal  jitter  occurs 
when  the  sample-and-hold  amplifi- 
er's sampling  switch  fails  to  open  at 
precisely  timed  intervals. 

A  time-domain  analysis  shows 
that  the  effects  of  aperture  jitter  in- 
crease as  the  input  signal's  slew  rate 
increases.  An  example  is  the  case  of 
a  sample  clock  locked  together  with 
waveform  A  (Fig.  4)-  In  this  exam- 
ple, if  the  sample  clock  has  no  varia- 
tion (phase  jitter),  the  output  code 
from  the  ADC  will  always  be  zero. 
On  the  other  hand,  if  the  sample 
clock  varies  by  an  amount  At,  the 
ADC  output  will  be  the  code  that  rep- 
resents the  error  voltage,  AV,  whose 
amplitude  is 

AV  =  (dV/dt)XAt 

where  dV/dt  =  the  slew  rate  of  the 
input  signal  in  volts/s,  at  the  sam- 
pling instant  and  At  =  the  aperture 
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15.  DESIGNERS  CAN  PREDICT  the  theoretical 
I  limits  of  the  rms-signal-to-rms-aperturejitter  noise  ratio,  SNjR. 
I  For  an  rms  aperture  uncertainty,  t,,  of  150  ps,  performance 
s  to  degrade  above  S3  kHz,  approximately.  Also  shown  on 
t  is  the  maximum  SNR  that  can  be  achieved  if  only 
i  noise  is  considered. 


uncertainty  in  seconds. 

If  the  rms  error  voltage  is  well  be- 
low the  ADC's  quantization  noise, 
the  resultant  noise  will  be  no  worse 
than  the  quantization  noise.  As  the 
error  voltage  increases,  the  convert- 
er's SNR,  which  previously  was  lim- 
ited by  quantization  noise,  will  be 
dominated  by  noise  related  to  aper- 
ture jitter.  This  noise  results  from 
phase  modulation  of  the  signal  being 
sampled.  If  the  aperture  jitter  is  to- 
tally random,  or  "white,"  the  noise 
produced  by  the  phase-noise  modula- 
tion will  also  be  white.  Regardless  of 
the  characteristics  of  the  jitter-in- 
duced noise,  aperture  jitter  will  in- 
crease the  overall  noise  floor  of  the 
ADC  output  spectrum. 

Predicting  Noise  Levels 

Designers  can  predict  the  theoreti- 
cal limits  of  rms-signal-to-rms-aper- 
ture-jitter  noise  ratio  (SNjR)  based 
on  a  full-scale  sine 
wave  input  and  a 
measurement  band- 
width of  fs/2.  The 
equation  is2 

SNR  (dB)  = 
201og10(l/2^tafa) 

where  ta  =  the  rms 
aperture  uncertainty 
in 

signal  frequency 
H; 

A  graph  of  this 
equation  shows  the 
maximum  SNjR  that 
designers  can 
achieve  based  solely 
on  the  noise  intro- 
duced by  aperture  jit- 
ter (Fig.  5).  Also 
shown  is  the  maxi- 
mum SNR  that  can 
be  achieved  if  only 
quantization  noise  is 
taken  into  account. 
For  a  14-bit  convert- 
er with  t,  =  150  ps, 
performance  begins 
to  degrade  at  about 
53  kHz  for  a  full- 
scale  input. 

When  evaluating  a 
converter's  aper- 
ture-jitter perfor- 
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mance,  designers  must  consider  the 
input  signal's  slew  rate.  Reducing 
the  signal  frequency  or  amplitude 
will  result  in  a  1:1  reduction  in  jitter- 
related  errors.  That  is,  reducing  the 
signal  by  a  factor  of  10  increases  the 
undegraded  bandwidth  by  10  times. 

The  ADC's  output  contains  unde- 
sired  frequency  components  that 
were  not  present  at  the  input.  These 
components  are  at  integer  multiples 
of  the  input  frequency.  Consequent- 
ly, designers  should  also  evaluate 
harmonically  related  errors  when  I 
trying  to  maximize  dynamic  range.  I 
THD,  which  describes  the  convert- 
er's linearity,  is  based  on  a  ratio  of 
the  sum  of  the  rms  voltages  of  unde- 
sired  frequency  components  to  the 
rms  voltage  of  the  input.  THD  can  be 
calculated  with  the  equation 

THD(dB)  =  201og,tl[(h12  +  h./  + 

where  h0  =  the  rms  voltage  of  the 
fundamental  and  h,  through  h„  =  the 
rms  voltages  of  the  integer  harmon- 
ics of  the  fundamental. 

At  low  frequencies,  harmonic  dis- 
tortion generally  results  from  un- 
equal step  sizes  in  the  ADC  transfer 
function  (INL  and  DNL).  At  high  fre- 
quencies, slew-rate  limiting,  signal 
feedthrough,  nonlinear  resistors  and 
capacitors,  and  decreased  open-loop 
gain  in  the  sample-and-hold  amplifi- 
er are  the  culprits.  Like  aperture-jit- 
ter-induced noise,  THD  increases 
when  either  amplitude  or  frequency 
increases. 

Another  important  measure  of  lin- 
earity is  IMD,  which  results  when 
two  tones  applied  simultaneously  to 
an  ADC  are  "mixed"  as  a  result  of 
nonlinearities.  Like  THD,  at  low  fre- 
quencies IMD  is  a  function  of  the 
converter's  INL  and  DNL. 

However,  the  ADC  doesn't  behave 
like  a  typical  saturated  amplifier  at 
low  frequencies.  In  the  amplifier,  an 
increase  in  amplitude  causes  a  corre- 
sponding threefold  increase  in  the 
third-order  IMD  products.  But  the 
ADC's  transfer  curve  can  be  consid- 
ered linear  with  small  random  quan- 
tizing-level  errors  distributed 
throughout  the  converter's  full 
range.  Therefore,  increasing  the  in- 
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put  signal's  amplitude  doesn't  in- 
crease third-order  IMD. 

Instead,  the  distortion  is  fixed  rel- 
ative to  the  converter's  full-scale 
range  and,  thus,  independent  the  in- 
put amplitude.  But  this  is  true  only  if 
the  third-order  intercept  of  the  ADC 
input  amplifier  is  high  enough  that 
amplifier  IMD  isn't  the  dominant  dis- 
tortion source. 


At  high  frequencies  and  high  am- 
plitudes, IMD  resulting  from  INL 
and  DNL  is  overshadowed  by  the  ef- 
fects of  sample-and-hold  amplifier 
errors.  Typically,  the  amplifier  can- 
not track  large,  high-frequency  sig- 
nals fast  enough  to  maintain  linear- 
ity, and  IMD  increases,  as  it  does  in 
any  amplifier. 

Another  specification  peculiar  to 
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6.  LOOKING  AT  A  CONVERTER'S  OUTPUT  using  fast  Fourier  transforms 
shows  how  noise  and  linearity  specifications  are  affected  by  the  magnitude  of  the  input 
signal.  These  examples  show  the  difference  for  inputs  19.6546  dB  below  full  scale  (a)  and 
5.7722  dB  below  full  scale  (b). 


undersampling  converters  is  full- 
power  bandwidth  (FPB).  Although 
no  standard  definition  exists,  FPB  is 
often  defined  as  the  frequency  at 
which  the  amplitude  of  the  recon- 
structed digital  output  resulting 
from  a  full-scale  input  signal  is  re- 
duced by  3  dB.  A  wide  FPB  ensures  a 
flat  output  when  the  ADC  under- 
samples  high-frequency  inputs.  It's 
worth  noting  that  the  bandwidth  in- 
creases at  lower  inputs. 

Designers,  however,  should  exam- 
ine the  tradeoffs  between  frequency 
response  and  SNR.  For  instance,  al- 
though the  converter's  FPB  may  be 
well  above  the  Nyquist  rate,  other 
specifications — such  as  S/(N+D) 
and  THD — may  vary  as  input  fre- 
quencies approach  the  FPB.  Also, 
smaller  inputs  reduce  the  SNR,  but 
the  resulting  bandwidth  increase  re- 
duces slew-rate-induced  distortion 
and  aperture-jitter-induced  noise.  So 
the  FPB  quoted  in  the  data  sheet 
shouldn't  be  the  bottom  line,  al- 
though it's  a  good  indication  that  the 
converter  is  intended  for  undersam- 
pling applications. 

Cost  Is  A  Factor 

Although  linearity,  sample  rate, 
and  resolution  are  prime  consider- 
ations when  choosing  an  undersam- 
pling ADC  for  digital  radio,  low  cost 
and  convenience  are  also  important. 
And  designers  must  also  examine 
the  device's  performance  for  inputs 
beyond  the  typical  sub-Nyquist  fre- 
quency characterization.  For  in- 
stance, two  examples  of  sampling 
ADCs  are  the  AD679  and  AD779. 
These  converters  are  complete  14- 
bit,  100-ksample/s  devices  that  dif- 
fer only  in  their  digital  interfaces.  In- 
cluded in  the  AD679  data  sheet  are  ac 
specifications  for  THD,  FPB,  IMD 
and  S/(N+D).  Graphs  are  specifical- 
ly included  showing  the  AD679's 
characteristics  for  signals  beyond 
the  Nyquist  frequency. 

S/(N+D)  determines  the  dynamic 
range  that  the  converter  can  realisti- 
cally achieve.  This  figure,  which  is 
computed  by  analyzing  the  ADC's 
output  using  fast  Fourier  trans- 
forms (FFTs),  is  the  rms  summation 
of  quantization  noise,  jitter-indui 
noise,  circuit  noise,  and  THD.  ~ 
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2048-point  FFTs  for  456-kHz  inputs 
that  are  19.6546  and  5.7722  dB  below 
the  AD679's  full-scale  input  range  il- 
lustrate the  dynamic  range  calcula- 
tion^. 6). 

As  expected,  the  fundamental  is  at 
24  kHz  as  a  result  of  the  undersam- 
pling  convolution  process.  A  number 
of  specifications  can  be  calculated  di- 
rectly from  the  FFT  output  data.  For 
example,  for  an  input  19.6546  dB  be- 
low full-scale,  the  peak  spurious 
noise  is  -103.386  dB  relative  to  the 
converter's  10-V  pk-pk  full-scale 
range,  and  the  integration  of  all  the 
spurious  noise  in  the  Nyquist  band- 
width is  -81.467  dB  (Fig.  6a).  The 
peak  harmonic  is  -104.053  dB.  Based 
on  the  first  six  harmonics,  the  THD 
is  -99.821  dB,  which  is  essentially 
buried  in  the  noise  floor. 

Calculated  Noise  Floor 

At  456  kHz,  the  theoretical  SNjR 
for  a  full-scale  input  is  approximate- 
ly 67.3  dB  (Fig.  5,  again).  Therefore, 
for  a  -20-dB  input,  the  noise  result- 
ing from  jitter  is  -87.3  dB.  Adding 
the  rms  value  of  this  noise  to  the  ide- 
al quantizing  noise  level  of  -86  dB  re- 
sults in  an  theoretical  noise  floor  of - 
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83.5  dB,  which  is  relatively  close  to 
the  measured  level  of  -81.467  dB. 
The  difference  is  due  to  external  cir- 
cuit noise  and  measurement  error. 
This  calculation  shows  that  for  in- 
puts 20  dB  below  full-scale  the 
ADC's  dynamic  range  is  limited  by 
quantization  noise  rather  than  de- 
vice nonlinearities. 

A  larger,  high-slew-rate  signal 
changes  things.  For  an  input  5.7722 
dB  below  full-scale,  the  peak  spuri- 
ous signal  is  now  -84.017  dB  relative 
to  full-scale,  and  all  the  spurious 
noise  in  the  Nyquist  bandwidth  has 
increased  by  5  dB  to  -76.414  dB  (Fig. 
6b).  THD  has  also  increased  but  is 
still  a  respectable  -69.896  dB.  Conse- 
quently, for  large  high-frequency 
signals  THD,  not  quantization  noise, 
limits  dynamic  range. 

Note  that  the  AD679's  wide  input 
bandwidth  not  only  allows  the  user 
to  sample  a  high  IF  frequency,  but 
also  presents  the  disadvantage  of 
sampling  noise  and  other  undesired 
signals  over  the  same  large  band- 
width. Like  the  desired  IF  informa- 
tion band,  the  high-frequency  noise 
is  convolved  with  the  sampling  clock 
spectrum  and  can  be  aliased  back  to 


baseband,  corrupting  the  signal. 
This  is  true  for  any  undersampling 
ADC,  unlike  conventional  convert- 
ers, whose  limited  bandwidth  filters 
out  most  of  this  noise.  As  a  result,  an 
ADC  intended  for  undersampling  is 
far  more  sensitive  to  the  amount  of 
noise  at  the  input  than  a  traditional 
converter,  so  board  layout  and  de- 
coupling considerations  are  even 
more  critical. 

Finally,  convenience  should  not  be 
overlooked  in  the  choice  of  an  ADC. 
The  AD679  and  AD779  are  the  only 
14-bit  monolithic  ADCs  that  are  suit-  BjH 
able  for  undersampling.  Both  con- 
tain an  integrated  sample-and-hold 
amplifier,  voltage  reference,  digital 
latches,  and  control  logic,  and  have 
high-impedance  analog  inputs  to 
simplify  input  buffering.  The  AD679 
has  a  convenient  8-bit  microproces- 
sor interface  and  the  AD779  has  a 
parallel  output  that  easily  connects 
to  digital-signal  processors.  The 
AD679  is  also  available  in  a  pin-com- 
patible 12-bit  version,  the  200-ksam- 
ple/s  AD678,  which  sacrifices  dy- 
namic range  for  speed.  The  AD678  is 
also  specified  at  frequencies  beyond 
Nyquist. 
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This  article  is  the  second  of  a  two- 
part  series  on  the  design  of  digital 
radio  receivers.  The  first  part 
( ELECTRONIC  DESI GN,  May  23,  p.  67) 
covered  the  fundamen  tals  of  digi- 
tal radio  and  undersampling  tech- 
niques, as  well  as  selection  criteria 
for  the  analog-to-digital  converter. 
Part  2  covers  the  receiver  design  in 
greater  detail. 

The  first  step  in  digital- 
receiver  design  is  to  de- 
termine the  radio's 
front-end  specifica- 
tions. The  process  is 
somewhat  similar  to 
that  in  a  conventional 
analog  design,  but  it 
must  account  for  the 
characteristics  of  the  digital  IF  pro- 
cessor used  by  the  radio.  After  the 
front-end  is  completed,  the  designer 
can  proceed  to  the  IF  processor,  tak- 
ing advantage  of  highly  integrated 
devices  to  simplify  the  design. 

The  design  example  in  this  article 
is  a  2-to-30-MHz  SSB  receiver  em- 
ploying undersampling  techniques. 
A  16-kHz  front-end  bandwidth  was 
chosen  to  accommodate  up  to  four  3- 
kHz  independent-sideband  channels. 


This  bandwidth  also  allows  the  digi- 
tal-signal processor  to  perform  fine 
tuning  over  at  least  a  1-kHz  range, 
simplifying  the  variable-injection 
synthesizer  (Fig.  1). 

The  first  IF  is  100  MHz,  which  is 
high  enough  to  ensure  that  the 
broadband  input  filter  suppresses 
the  IF  and  image  response  by  80  dB, 
but  low  enough  to  allow  a  low-cost 
crystal  filter  to  be  used  as  the  first- 
IF  narrowband  filter.  Because  the 
DSP  performs  the  fine  tuning  in  1- 
Hz  steps,  the  variable  injection  syn- 
thesizer can  tune  from  102  to  130 
MHz  in  1-kHz  steps.  This  "high-side" 
first-IF  mixer  injection  causes  a 
passband  reversal  or  "flip"  in  the 
mixer,  which  will  be  corrected  by  the 
sampling  process. 

The  first-IF  amplifier  makes  up 
for  losses  in  the  first-IF  mixer  and 
filter,  and  maintains  a  front-end 
noise  figure  of  15  dB.  After  amplifi- 
cation, the  signal  is  mixed  with  a 
fixed-oscillator  signal  of  99.544 
MHz.  The  result  is  a  second-IF  of  456 
kHz,  which  is  high  enough  to  allow 
the  second-mixer  image  response  at 
99.088  MHz  to  be  attenuated  by  80 
dB  in  the  first-IF  filter,  but  "low 
enough  to  be  sampled  by  the  analog- 


■  1 .  THE  CHOICE  OF  100  MHz  for  (he  first  IF  is  high  enough  to  ensure  that  the  broadband  input  filter  sufficiently  suppresses  the  IF 
I  and  image  response  but  low  enough  to  allow  a  low-cost  crystal  filter  for  the  first-IF  narrowband  filter. 
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to-digital  converter  (ADC). 

If  the  ADC's  sample-and-hold 
bandwidth  is  greater  than  456  kHz, 
as  is  the  case  with  the  AD779,  the  re- 
ceiver can  undersample  the  second- 
IF  signal  efficiently  at  a  sample  rate 
of  96  kHz.  Because  the  analog-to-dig- 
ital conversion  is  effectively  the  re- 
sult of  a  convolution  of  the  input  sig- 
nal and  the  sample-clock  impulse 
spectrum,  the  sample  clock  must  be 
as  "clean"  and  jitter-free  as  the  local 
oscillator  or  mixer  injection  signal. 
Any  phase  noise  present  on  the  clock 
will  be  impressed  on  the  signal  being 
sampled,  effectively  corrupting  it.  If 
isolation  or  buffering  is  inadequate, 
the  spurious  noise  picked  up  by  the 
sample  clock  can  be  disastrous. 

When  the  second-IF  spectrum  is 
convolved  with  the  sample-clock  im- 
pulse spectrum,  the  IF  signal  is  fre- 
quency translated  to  a  lower  IF  of 
one-fourth  the  sample  frequency,  or 
24  kHz  (Fig.  2).  The  convolution  also 
creates  a  passband  reversal  that 
counteracts  the  reversal  in  the  first- 
IF  mixer.  As  expected,  the  sampled- 
IF  spectrum  repeats  at  every  multi- 
ple of  the  sample  frequency. 

In  this  example,  increasing  the 
second-IF  bandwidth  will  create 
aliasing  distortion  or  overlap  in  the 
sampled  IF  spectrum  because  real- 
world  filters  can  supply  only  finite 
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Receiver  performance  for  thermal-noise-limited  example 


Digital-signal-processor  receiver  gain  distribution  and  noise  performance 
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stopband  attenuation  (Fig.  2,  again). 
But  aliasing  can  be  reduced  to  an  ac- 
ceptable level.  In  this  design,  the 
passband  width  of  16  kHz  must  be 
alias-protected  to  60  dB. 

This  requirement,  and  a  look  at  the 
IF  sampling  process,  lead  the  design- 
er to  the  bandpass  specifications  of 
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2.  THE  SAMPLING  PROCESS  IS  a  convolution  of  the  second-IF  spectrum  (a) 
with  the  sampler  spectrum  (b).  The  resulting  spectrum  shows  that  if  the  second-IF 
bandwidth  is  increased,  aliasing  distortion  will  occur  (c). 


the  first-IF  filter  (Fig. .}).  Because  of 
the  sampling  frequency  and  second- 
IF  selected,  the  filter  must  have  an 
80-kHz-wide  stopband.  Given  the  16- 
kHz-wide  passband,  the  correspond- 
ing shape  factor  is  5  to  1.  Attenuation 
of  signals  40  kHz  from  the  passband 
center  of  100  MHz  must  be  at  least  60 
dB.  As  noted,  another  20  dB  of  atten- 
uation is  also  needed  at  the  image- 
response  frequency  of  99.088  MHz. 
A  typical  passband  ripple  specifica- 
tion might  be  1  dB.  A  4-  or  5-pole  crys- 
tal filter  might  satisfy  these  criteria. 

The  Digital  Stage 

The  signal  from  the  second-IF 
mixer  must  be  amplified  to  a  level 
sufficient  to  drive  the  ADC.  The  gain 
required  depends  on  the  ADC  and 
various  receiver  performance  trade- 
offs, and  must  be  determined  based 
on  a  system-level  analysis.  For  ex- 
ample, the  theoretical  quantizing 
noise  density  of  an  ADC,  N„  in  W7 
Hz  is: 

No,,  %  (V|lt„k/2l')V6fsR 

where  V„k.„k  =  the  peak-to-peak  volt- 
age range  of  the  ADC  in  volts,  b  = 
the  total  number  of  ADC  bits  includ- 
ing sign,  R  =  the  assumed  imped- 
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ance  in  ohms,  and  fs  =  the  sampling 
frequency  in  hertz. 

For  a  14-bit  ADC  with  a  10-Vpk-pk 
range  and  a  sampling  frequency  of 
96  kHz,  N„„  =  1.2935  X  10"14  W/Hzor 
-108.9  dBm/Hz,  assuming  50-fl  im- 
pedance normalization.  Other  noise 
includes  the  thermally  generated  re- 
ceiver noise.  The  level  of  this  noise  is 
the  front-end  noise  figure,  15  dBm/ 
Hz,  minus  the  thermal  noise  generat- 
ed in  a  50-11  resistor,  -174  dBm/Hz, 
or-159dB/Hz. 

The  receiver's  minimum  weak-sig- 
nal gain  must  be  high  enough  so  that 
the  weakest  desired  usable  signal 
plus  the  receiver  noise  is  greater 
than  at  least  one  ADC  quantizing 
level.  If  not,  the  signal  won't  be  re- 
covered. The  best  way  to  ensure  a 
large  enough  signal  is  to  provide  suf- 
ficient noise  at  the  ADC  input  to  dith- 
er across  a  quantizing  level.  To  do  so, 
a  designer  can  amplify  the  in-band 
receiver  thermal  noise  or  add  out-of- 
band  noise,  which  the  digital-signal 
processor  can  filter  out  later.  Al- 
though it  may  not  be  the  better  meth- 
od, this  article  discusses  the  simpler 
approach  of  amplifying  the  receiver 
thermal  noise  until  it  bridges  a  quan- 
.  level. 

•  the  AD779,  one  quantizing  lev- 
610  uVpk-pk.  The  equivalent 
mplitude  is  then  215.8  juV 

_  the*rece^ver'no1sef sTthat  fts 
rms  level  at  the  ADC  is  also  -60.3 
dBm  will  guarantee  adequate  bridg- 
ing of  a  quantizing  level.  With  the 
front-end  noise  bandwidth  (BW)  of 
16  kHz,  the  gain  required  to  amplify 
the  receiver  noise  to  this  level  is: 

Gain  =  quantizing  level  -  thermal 
noise  density  -  lOlog  BW 

=  -60.3  dBm  +  159  dBm/Hz  - 
lOlog  16,000  Hz 
=  56.7  dB 

A  spreadsheet  program  can  perform 
these  calculations,  and  others,  to  in- 
teractively examine  receiver  perfor- 
mance for  different  ADCs,  sample 
rates,  bandwidths,  and  gain  distribu- 
tions (see  the  table). 

Note  that  in  this  example,  the  ana- 
log gain  is  high  enough  to  allow  ther- 
to  bridge  a  quantization 
•'s  noise 


performance  is  dominated  by  ther- 
mal noise,  not  analog-to-digital 
quantization  noise.  At  the  sensitivity 
level,  the  thermal  noise  is  7  dB  great- 
er than  the  quantization  noise  when 
measured  in  the  3-kHz  information 
bandwidth. 

The  output  signal-to-noise  ratio 
(SNR)  is  better  than  10  dB  at  an  an- 
tenna signal  level  of -113  dBm.  Digi- 
tal automatic  gain  control  (AGC) 
holds  the  output  signal  level  at  20  dB 
below  full  scale  (+4  dBm)  until  the 
RF  AGC  threshold  is  reached.  The 
output  SNR  increases  with  the  an- 
tenna signal  level  until  the  level  at 
the  ADC  reaches  44  dB  below  full- 
scale  (-20  dBm).  At  this  point,  the  an- 
alog AGC  holds  the  ADC  input  and 
output  levels  constant.  The  output 
SNR  continues  to  rise  to  54  dB  until 
the  analog-to-digital  quantization 
noise  dominates  the  receiver  noise. 

Unwanted  Signals 

Another  consideration  is  the  an- 
tenna overload  level,  which  is  the  an- 
tenna signal  level  at  which  an  unde- 
sired  received  signal  can  pass  unat- 
tenuated  through  the  16-kHz  band- 
width front-end  to  the  ADC  and 
saturate  it.  Because  this  undesired 
signal  would  be  outside  of  the  3-kHz 
information  bandwidth,  it  would  not 
affect  the  normal  AGC  setting. 

As  a  result,  the  receiver  must 
maintain  some  "headroom"  to  ac- 
commodate signal-level  peaks.  Only 
 !  


desired  in-band  signals  should  be 
present  after  the  final  narrowband 
filtering  in  the  digital-signal  proces- 
sor. Consequently,  20  dB  of  head- 
room is  sufficient  at  the  digital-sig- 
nal-processor output.  At  the  ADC  in- 
put, however,  large  out-of-band  un- 
desired signals  may  be  present. 
Consequently,  at  least  40  dB  of  head- 
room is  required. 

The  maximum  headroom  is  limited 
by  the  SNR  required  for  both  noise- 
or  distortion-limited  cases.  In  the  ex- 
ample design,  the  maximum  SNR  for 
large  desired  signals,  without  inter- 
ference, is  54  dB.  If  an  out-of-band 
undesired  signal  at  the  ADC  has  a 
level  of  +4  dBm,  or  -20  dB  from  the 
saturation  level,  the  converter  will 
generate  harmonic  and  intermodula- 
tion  distortion  products  that  will 
alias  and  potentially  fall  inside  the 
desired  signal  bandwidth.  If  these 
products  are  specified  to  be  70  dB 
down  (-66  dBm)  and  the  in-band  de- 
sired signal  level  at  the  ADC  is  -20 
dBm,  the  ultimate  signal-to-noise- 
and-distortion,  S/(N+D),  ratio  will 
be  limited  to  46  dB  (-20  dBm  +  66 
dBm). 

The  next  step  in  the  design  is  the 
digital  IF  processor  architecture, 
which  will  depend  on  the  desired  lev- 
el of  functionality  and  the  choice  of 
hardware.  In  a  typical  implementa- 
tion of  a  digital  SSB  processor,  the 
digitized  IF  signal  is  first  processed 
by  the  IF  translator  (Fig.  4)-  The 
 , 


(a)     Second-IF  spectrum  (negative  frequencies 
only) 
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3.  A  DETAILED  LOOK  AT  THE  SAMPLING  process  helps  i.  specifying  the 
f irst-IF  filter.  The  456-kHi  second  IF  (a)  and  96-UU  sampling  frequency  (b)  are  the 
determining  factors.  To  protect  the  desired  16-kHz  bandwidth  from  aliasing,  the  filter  must 
have  no  more  than  an  80-kHj-wide  stopband,  or  a  5-to-l  shape  factor  (c). 
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translator  shifts 
the  SSB  channel's 
center  frequency  to 
dc,  or  zero  frequen- 
cy, and  at  the  same 
time  converts  the 
"real"  IF  signal  to  a 
complex  baseband 
signal.  The  result- 
ing real  and  imagi- 
nary components 
are  often  referred 
to  as  the  inphase  (I) 
and  quadrature (Q) 
components,  re- 
spectively. This 
representation  of 
the  signal  as  a  ro- 
tating vector  or 
phasoris  commonly 
used  in  digital-sig- 
nal-processing al- 
gorithms.1 

A  complex  oscil- 
lator and  a  multipli- 
er perform  the  frequency  transla- 
tion and  complex  baseband  conver- 
sion. Typically,  the  oscillator  con- 
sists of  a  phase  accumulator  and  sine 
and  cosine  algorithms  (Fig.  5).  The 
phase  accumulator  is  a  modulo  2n 
adder  that  increments  its  output 
each  sample  period  by  adding  a  fixed 
constant,  or  phase  increment,  to  its 
previous  sample  output.  This  pro- 
cess produces  a  continuously  chang- 
ing output  phase  angle  ranging  from 
0  to  2-ir  radians. 

The  algorithms  then  compute  the 
phase  angle's  cosine  and  sine  to  gen- 
erate the  complex  oscillator's  real 
and  imaginary  outputs.  Next,  the 
real  input  signal  is  multiplied  by  the 
oscillator's  outputs  to  produce  the  I 
and  Q  components  of  the  complex 
baseband  signal. 

The  next  step  is  to  implement  the 
SSB  filter,  AGC,  and  demodulator  in 
the  digital-signal-processor  chip. 
But  the  system's  sample  rate  must 
be  reduced  as  much  as  possible  be- 
fore the  digital-signal  processor  can 
perform  these  computationally  in- 
tensive algorithms.  For  example,  if 
the  DSP's  instruction  rate  is  12  MHz 
and  the  sample  rate  remains  at  96 
kHz,  only  125  instruction  cycles  will 
be  available  to  run  the  algorithms  on 
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THE  RADIO'S  SSB  FILTER,  AGC,  and  demodulator  are  implemented  by  the  digiUkignal-processor 
chip.  The  system's  sample  rate  is  first  reduced  by  a  factor  of  10  in  the  decimator  to  produce  enough  instruction 
cles  between  samples  to  perform  the  required  algorithms. 


each  point.  This  figure  is  insuffi-    AGC  controls  the  digital  gain  by 


cient.  Therefore,  the  receiver  deci- 
mates the  sample  rate  by  a  factor  of 
10.  The  resulting  9600-Hz  rate  is 
enough  to  support  the  typical  3-kHz 
SSB  bandwidth.  It  also  enables  1250 
instruction  cycles  between  the  deci- 
mated samples,  enough  to  perform 
the  required  algorithms. 

Filter  The  Input 

Before  the  sample  rate  can  be  re- 
duced, the  input  signal  must  be  fil- 
tered to  attenuate  out-of-band  sig- 
nals. Otherwise,  these  signals  can 
alias  back  in-band,  causing  distor- 
tion. This  decimation  filter  usually 
consists  of  two  identical  finite-im- 
pulse-response (FIR)  filters  in  the  I 
and  Q  paths.  Computer  programs  for 
designing  FIR  filters  with  arbitrary 
frequency  response  are  readily 
available  from  many  commercial 
sources.  The  most  popular  filter  de- 
sign algorithm,  used  in  many  of 
these  programs,  was  distributed  by 
the  IEEE  Press  in  1979.2 

After  decimation,  the  signal 
passes  through  a  high-performance 
receiver  IF  filter.  This  SSB  filter  is 
an  FIR  or  infinite-impulse-response 
device.  If  necessary,  the  SSB  filter's 
output  level  is  adjusted  by  the  digital 
portion  of  the  AGC  algorithm. 


The 
mul- 


tiplying the  I  and  Q  components  by  a 
positive  scalar  value,  M  (Fig.  4, 
again). 

The  leveled  I  and  Q  outputs  are 
then  applied  to  the  envelope  detector 
and  SSB  product  detector.  The  enve- 
lope detector  computes  the  magni- 
tude of  the  phasor  represented  by 
the  I  and  Q  components.  The  output 
envelope  is  simply  the  square  root  of 
the  sum  of  the  squared  I  and  Q  val- 
ues. The  AGC  algorithm  uses  the  en- 
velope to  adjust  the  receiver  output 
level  by  a  combination  of  analog  (or 
RF)  and  digital  gain  control.  To  pre- 
vent saturation  by  strong  out-of- 
band  signals,  the  algorithm  also 
senses  any  ADC  overload  and  ad- 
justs the  RF  and  digital  gain  distri- 
butions accordingly. 

The  SSB  product  detector  is  a 
"half-complex"  frequency  transla- 
tor that  shifts  the  SSB  carrier  to  its 
proper  frequency.  Just  as  in  the  IF 
translator,  the  circuit  uses  a  complex 
oscillator,  commonly  called  a  beat- 
frequency  oscillator.  First,  the  I  and 
Q  signal  values  are  multiplied  by  the 
cosine  and  sine  outputs  of  the  oscilla- 
tor. Then  the  products  are  added  to 
produce  the  receiver's  audio  output. 

The  hardware  needed  to  imple- 
ment the  digital  IF  processor  de- 
era!  factors,  but  nearly 
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■ 5.  BECAUSE  TYPICAL  DIGITAL  IF  PROCESSOR  architectures  are  highly  integrated,  most  functions  can  be  implemented 
in  the  DSP  software.  In  this  example  circuit,  only  a  few  ICs  are  needed  to  perform  the  functions,  as  described  in  Figure  4. 


all  systems  will  include  certain  com- 
mon components  (Fig.  6).  The  total 
number  of  ICs  can  be  minimal,  keep- 
ing overall  system  cost  low. 

Modern  communication  receivers 
would  typically  use  a  high-perfor- 
mance digital-signal  processor,  such 
as  the  ADSP-2101.  This  processor  is 
well-suited  to  many  of  the  operations 
of  a  digital  receiver  and  can  easily 
link  to  the  14-bit  parallel  output  of 
the  AD779.  Conversion  back  to  the 
analog  domain  is  simplified  by  digi- 
tal-to-analog converters  (DACs),  like 
the  AD766.  These  low-cost,  16-bit,  se- 
rial-input DACs  require  no  addition- 
al glue  logic  or  interface  circuitry, 
have  an  on-board  reference,  and  are 
completely  tested  and  specified  over 
temperature. 

Additional  circuitry  performs  de- 
coding, clock  generation,  and  output 
filtering.  The  decoder  handles  hand- 
shaking between  the  AD779  and  the 
digital-signal  processor.  Depending 
on  the  number  of  peripherals  con- 
nected to  the  processor,  the  decoder 
may  be  as  simple  as  a  few  logic 
gates.  Clock  signals  are  typically 
generated  by  a  high-stability  crystal 
with  low  phase  noise.  The  crystal  can 
serve  as  the  processor's  master  clock 
and  can  also  be  divided  by  counters 
or  other  means  to  generate  the  ADC 
and  DAC  sampling  clocks. 


On  the  falling  edge  of  the  sam- 
pling clock  (SC),  the  AD779  digitizes 
the  incoming  IF  signal  (Fig.  6, 
again).  Approximately  8  jxs  later, 
the  conversion  is  complete  and  the 
AD779  asserts  End  of  Convert 
(EOC).  The  falling  edge  of  the  invert- 
ed EOC  signal  interrupts  the  digital- 
signal  processor.  The  control  and  ad- 
dress lines  from  the  processor  are 
decoded  to  generate  the  Output  En- 
able (OE)  pulse  for  the  ADC.  The 
ADC  then  places  the  digitized  output 
on  the  data  bus  to  be  read  by  the  pro- 
cessor. 

The  ADSP-2101  offers  several  fea- 
tures tailored  to  communications 
systems.  The  ability  to  fetch  two 
operands  (typically  a  coefficient  and 
a  data  point),  multiply  these  oper- 
ands, and  then  sum  the  results  with 
previous  products  in  one  processor 
cycle  makes  FIR  filter  algorithms 
extremely  efficient.  And  an  internal 
40-bit  accumulator  enables  full-pre- 
cision products  to  be  calculated  with- 
out round-off  noise  caused  by  trun- 
cation in  the  filter  computations.  In- 
terprocessor  communication  be- 
tween multiple  DSPs,  which  is  often 
needed  in  SSB  equipment,  is  easily 
implemented  with  one  of  the  proces- 
sor's two  integrated  serial  ports. 

The  digital  IF  processor's  high  in- 
tegration level  is  indicative  of  the  fu- 


ture of  SSB  equipment.  As  the  per- 
formance of  the  ADC  improves,  it 
will  be  placed  closer  to  the  receiving 
antenna  in  the  analog  front-end.  The 
ultimate  goal  is  to  digitize  the  incom- 
ing RF  signal  directly  from  the  an- 
tenna and  implement  the  remaining 
digital  functions  in  custom  ASICs. □ 
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Evaluation  Board  for  the  AD7884  16-Bit  A/D  Converter 

by  Mike  Curtin 


INTRODUCTION 

This  application  note  describes  the  evaluation  board  for 
the  AD7884  16-bit  A/D  converter.  This  is  a  16-bit 
monolithic  analog-to-digital  converter  with  internal 
sample-and-hold  and  a  conversion  time  of  5.3  u.s.  The 
throughput  rate  is  166  kSPS.  It  uses  a  2-pass  flash  archi- 
tecture to  achieve  this  speed  and  throughput.  It  has 
both  ac  and  dc  specifications.  Integral  Linearity  Error  is 
±0.006%  FSR  and  the  Signal  to  (Noise  +  Distortion)  Ra- 
tio is  84  dB.  Its  fast  16-bit  parallel  output  interface  is 
compatible  with  both  DSPs  (TMS320C25,  ADSP-2101, 
DSP56000)  and  general  purpose  processors  (MC68000, 


80286,  etc.).  Full  data  on  the  converter  is  in  the 
AD7884/AD7885  data  sheet  from  Analog  Devices.  This 
should  be  consulted  in  conjunction  with  the  application 
note  when  using  the  evaluation  board. 

The  board  operates  from  +15  and  -15  volt  power  sup- 
plies. On-board  components  include  the  reference  and 
op  amp  circuitry  necessary  for  the  analog  front-end  and 
output  latches  for  interfacing  to  a  16-bit  processor  bus. 

jm  for  the  AD7884  board  is  shown  in 


A  full  circuit  diac 
Figure  3. 
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Figure  1.  Evaluation  Board  Block  Diagram 
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LINK  OPTIONS 

The  evaluation  board  has  several  link  options  available 
and  these  are  summarized  in  Table  I  below. 


Table  I.  Link  Options 


The  AD845  drives  the  AD7884  inputs  through  a  series  of 
links.  These  links  allow  the  user  to  configure  the  ADC  for 
either  a  ±3  volt  input  or  a  ±5  volt  input.  Table  II  below 
shows  the  necessary  link  settings  for  each  range. 


Link  No. 


LK1-LK4 

LK5 
LK6 
LK7 

LK8 


Function 


_ 


Table  II.  LK1-LK4  Settings 


Links  1-4  enable  the  user  to  select  either 
the  ±3  volt  input  range  or  the  ±5  volt  input 
range. 

This  allows  RD  to  be  tied  permanently  low. 

This  allows  CS  to  be  tied  permanently  low. 

This  link  allows  the  two  output  latches  to  be 
enabled  together  (LK7  inserted)  or  separately 
(LK7  removed). 

LK8  breaks  the  A,N  line  so  that  the  user  can 
easily  route  it  to  extra  signal  conditioning 
such  as  antialias  filtering  or  an  extra  gain 
stage.  The  board  has  a  grid  section 
where  this  external  circuitry  can  be  built. 


POWER  SUPPLIES,  GROUNDING  AND  DECOUPLING 

The  board  is  powered  from  a  ±5V  supply.  These  sup- 
plies drive  two  5  V  regulators  (IC7  and  IC8)  which  pro- 
duce the  ±5  V  required  for  the  AD7884.  The  AD7884  has 
one  AVDD  pin  and  two  VDD  pins.  These  are  all  driven 
from  the  same  +5  V  supply.  The  AVDD  pin  is  decoupled 
to  signal  ground  with  a  10p.F  tantalum  and  a  0.1 
ceramic  capacitor.  Both  VDD  pins  are  decoupled  with 
0.1  p.F  capacitors  only.  The  same  decoupling  arrange- 
ment is  used  for  the  negative  supply  pins.  AVSS  is  de- 
coupled to  signal  ground  with  10  (j.F  and  0.1  nF  while 
each  of  the  Vss  pins  is  decoupled  with  0.1  m-F  only. 

The  ±15  V  supplies  also  drive  the  analog  front-end  cir- 
cuitry which  includes  the  AD586  reference  and  the  op 
amps  A1-A4.  They  are  decoupled  to  signal  ground  with 
10  (iF  tantalum  and  0.1  (iF  ceramic  disc  capacitors. 
Power  for  the  digital  section  of  the  board  (IC9,  IC10  and 
IC1 1 )  should  be  applied  at  either  A31 ,  B31  or  C31  of  the 
Eurocard  connector,  SKT  4,  or  at  Pin  23  of  SKT  3.  The 
digital  supply  is  routed  separately  from  the  analog  sec- 
tion, and  they  are  not  joined  anywhere  on  the  board. 

The  evaluation  board  uses  extensive  ground  planing  to 
minimize  any  high  frequency  noise  interference.  The 
ground  planing  for  the  analog  section  is  kept  separate 
from  that  for  the  digital  section,  and  they  are  joined  only 
at  Pin  30  (DGND)  of  the  AD7884. 

ANALOG  INPUT  SECTION 

The  analog  input  to  the  board  is  applied  to  the  miniature 
BNC  connector  SKT  1,  labelled  A,N.  The  input  then  goes 
to  the  link,  LK8,  and  from  there  on  to  the  input  buffer, 
IC3.  LK8  allows  the  user  to  divert  the  input  to  signal 
conditioning  circuitry,  which  may  be  built  on  the  grid 
section  of  the  board.  With  LK8  inserted,  A,N  goes  directly 
to  IC3,  an  AD845.  This  is  a  very  fast  JFET  amplifier  which 
combines  very  low  input  offset  voltage  and  offset  drift 
with  fast  settling  and  high  slew  rate.  Consult  the  AD845 
data  sheet  for  full  details. 


Input  Range 

LK1 

LK2 

LK3 

LK4 

±5  Volts 

AB 

AB 

AB 

AB 

±3  Volts 

BC 

BC 

BC 

BC 

AGND  BUFFER 

IC2  is  the  force,  sense  amplifier  for  AGND.  The  AGNDS 
pin  should  be  at  zero  potential.  The  board  uses  an  OP-07 
for  IC2.  The  output  of  IC2  is  decoupled  with  a  47  ^F  solid 
tantalum  capacitor  to  AGND  to  deal  with  the  fast  current 
transients  on  the  AGNDS  pin.  The  stability  of  this  ar- 
rangement is  marginal,  and  if  the  user  wishes  to  im- 
prove the  phase  margin,  the  circuit  given  in  Figure  2 
may  be  used.  A  feedback  capacitor  (CF)  of  47  (jlF  should 
be  used.  This  circuit  compensates  for  the  load  capacitor 
by  adding  a  low  frequency  zero  and  ensures  an  ade- 
quate phase  margin. 

MULTIPLEXER  APPLICATIONS 

When  the  AD7884  is  used  in  multiplexer  applications,  it 
is  possible  for  the  analog  input  to  see  a  full-scale  step 
input.  In  these  applications,  it  is  better  to  use  a  very  fast 
amplifier  as  the  AGND  buffer.  Suitable  op  amps  are  the 
AD845  or  AD847.  With  these,  there  is  no  need  for  the 
47  (xF  capacitor  to  AGND  at  the  output,  and  the  step 
response  time  allows  a  throughput  of  150  kHz  to  be 
achieved. 


 O  AGNDS 


O  AGNDF 


Figure  2.  Compensation  Circuit  for  AGND  Buffer 
REFERENCE  SECTION 

The  required  +3  V  reference  is  derived  from  the  AD586. 
The  +5  V  output  is  divided  down  to  +3  V  by  R1  and  R2 
before  being  buffered  by  IC6.  IC4  is  a  unity  gain  inverter 
which  provides  the  -3V  negative  reference.  The  gain 
setting  resistors  are  on-chip  and  are  factory  trimmed  to 
ensure  precise  tracking  of  VREF+.  Figure  3  shows  IC4  and 
IC6  as  AD845s.  The  very  high  slew  rate  of  these  amplifi- 
ers means  that  they  can  respond  to  the  rapidly  changing 
reference  input  impedance  and  input  currents  and  hold 
the  VREF+  and  VREF_  inputs  at  the  required  dc  levels. 
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Figure  3.  AD7884  Evaluation  Board  Circuit  Diagram 
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EVALUATION  BOARD  INTERFACING 

The  board  has  a  straight  parallel  16-bit  interface.  The 
Parallel  Port  is  available  at  two  sockets  on  the  board, 
SKT  3  and  SKT  4.  The  Eurocard  Connector,  SKT  4  allows 
the  board  to  be  connected  directly  to  the  evaluation 
board  for  the  ADSP-2100  Digital  Signal  Processor,  which 
is  available  from  Analog  Devices.  SKT  3  provides  a  gen- 
eral purpose  socket  for  interfacing  to  any  other  parallel 
processor  systems.  The  pinout  for  SKT  3  and  SKT  4  is 
given  in  Figure  4  below. 


Conversion  is  initiated  by  applying  a  CONVST  signal  at 
SKT  2.  BUSY  is  low  during  conversion  and  goes  high  to 
indicate  the  end  of  conversion.  In  the  simplest  interface 
mode,  CS  and  RD  are  tied  permanently  low  through 
links  LK5  and  LK6.  This  means  that  the  data  bus  drivers 
are  permanently  turned  on.  Each  new  conversion  result 
is  automatically  put  on  the  bus  at  the  end  of  conversion. 
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The  AD7884  design  guarantees  that  the  data  is  valid  on 
the  BUSY  rising  edge.  This  means  that  the  BUSY  signal 
can  be  used  to  latch  the  conversion  result  into  the 
external  latches,  IC  1 0  and  IC  1 1 .  These  may  then  be  read 
by  the  processor  before  the  next  conversion  result  is 
latched.  For  standard  16-bit  interfacing,  LK7  is  inserted. 
However,  if  the  user  wishes  to  interface  to  an  8-bit  sys- 
tem, LK7  can  be  omitted  so  that  each  8-bit  latch  can  be 
read  separately. 

It  is  also  possible  to  evaluate  the  AD7884  performance 
when  connected  directly  to  the  processor  data  bus  and 
not  isolated  by  latches.  Take  out  the  latches,  IC10  and 
IC11  and  short  the  D  inputs  to  the  Q  outputs.  Then  use 
the  CS  and  RD  inputs  in  the  standard  fashion.  Omit  LK5 
and  LK6.  This  means  that  the  CS  and  RD  inputs  are  now 
controlled  by  Pins  5  and  3  (SKT  3)  or  Pins  C14  and  C13 
(SKT  4).  In  this  configuration,  BUSY  generates  a  proces- 
sor interrupt  at  the  end  of  conversion.  The  interrupt 
subroutine  is  a  standard  Read  operation. 

BOARD  LAYOUT  AND  COMPONENT  OVERLAY 

Figures  5,  6  and  7  show  the  evaluation  board  layout  and 
component  overlay.  These  may  be  used  to  study  the 
grounding  and  decoupling  techniques  for  the  various 
components.  There  is  a  separate  analog  and  digital 
ground  plane  which  is  joined  only  at  Pin  30  (DGND)  of 
the  AD7884. 


a.  b. 
Figure  4.  Pin  Configurations  for  SKT  3  (a)  and  SKT  4  (b) 
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Figure  5.  AD7884  Evaluation  Board  Component  Side  Layout 


Figure  6.  AD7884  Evaluation  Board  Solder  Side  Layout 
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Figure  7.  AD7884  Evaluation  Board  Component  Overlay 
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Evaluation  Board  for  the  AD7885  1 


by  Mike  Curtin 


INTRODUCTION 

This  application  note  describes  the  evaluation  board 
for  the  AD7885  16-bit  A/D  converter.  This  is  a  16-bit 
monolithic  analog-to-digital  converter  with  internal 
sample-and-hold  and  a  conversion  time  of  5.3  p.s.  The 
throughput  rate  is  166  kSPS.  It  uses  a  2-pass  flash  archi- 
tecture to  achieve  this  speed  and  throughput.  It  has  both 
ac  and  dc  specifications.  Integral  Linearity  Error  is 
±0.006%  FSR,  and  the  Signal  to  (Noise  +  Distortion)  Ra- 
tio is  84  dB.  Its  fast  8-bit  byte  output  interface  is  compat- 
ible with  both  microcontrollers  (8051,  68HC11,  etc.)  and 


general  purpose  processors  (MC6800  Series,  MC68008, 
8088,  Z80,  etc.).  Full  information  on  the  converter  is  in 
the  AD7884/AD7885  data  sheet  from  Analog  Devices. 
This  should  be  consulted  in  conjunction  with  the  appli- 
cation  note  when  using  the  evaluation  board. 

The  board  operates  from  +15  and  -15  volt  power  sup- 
plies. On-board  components  include  the  reference  and 
op  amp  circuitry  necessary  for  the  analog  front-end  and 
output  latches  for  interfacing  to  a  16-bit  processor  bus. 

A  full  circuit  diagram  for  the  AD7885  board  is  shown  in 
Figure  3. 
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Figure  1.  Evaluation  Board  Block  Diagram 
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LINK  OPTIONS 

The  evaluation  board  has  a  number  of  link  options  avail- 
able and  these  are  summarized  in  Table  I  below. 


Table  I.  Link  Options 


Link  No. 

Function 

LK1-LK4 

Links  1-4  enable  the  user  to  select  either 

the  ±3  volt  input  range  or  the  ±5  volt  input 

range. 

LK5 

This  allows  RD  to  be  tied  permanently  low. 

LK6 

This  allows  CS  to  be  tied  permanently  low. 

POWER  SUPPLIES,  GROUNDING  AND  DECOUPLING 


The  board  is  powered  from  a  ±15  V  supply.  These  sup- 
plies drive  two  5  V  regulators  (IC7  and  IC8)  which  pro- 
duce the  ±5  V  required  for  the  AD7885.  The  AD7885  has 
one  AVDD  pin  and  one  VDD  pin.  These  are  driven  from 
the  same  +5  V  supply.  The  AVDD  pin  is  decoupled  to 
signal  ground  with  a  10  (iF  tantalum  and  a  0.1  |xF  ce- 
ramic capacitor.  The  VDD  pin  is  decoupled  with  a  0.1  (j.F 
capacitor  only.  The  same  decoupling  arrangement  is 
used  for  the  negative  supply  pins.  AVSS  is  decoupled  to 
signal  ground  with  10  |i.F  and  0.1  ^F  while  Vss  is  decou- 
pled with  0.1  (j.F. 

The  ±15  V  supplies  also  drive  the  analog  front-end  cir- 
cuitry which  includes  the  AD586  reference  and  the  op 
amps  A1-A4.  These  are  decoupled  to  signal  ground  with 
10|xF  tantalum  and  0.1  m-F  ceramic  disc  capacitors. 
Power  for  the  digital  section  of  the  board  (IC9,  IC10  and 
IC11)  should  be  applied  at  Pin  23  of  SKT  3.  The  digital 
supply  is  routed  separately  from  the  analog  section  and 
they  are  not  joined  anywhere  on  the  board. 

The  evaluation  board  uses  extensive  ground  planing  to 
minimize  any  high  frequency  noise  interference.  The 
ground  planing  for  the  analog  section  is  kept  separate 
from  that  for  the  digital  section,  and  they  are  joined  only 
at  Pin  21  (DGND)  of  the  AD7885. 

ANALOG  INPUT  SECTION 

The  analog  input  to  the  board  is  applied  to  the  miniature 
BNC  connector  SKT  1,  labelled  A,N.  The  input  then  goes 
to  the  link,  LK8,  and  from  there  on  to  the  input  buffer, 
IC3.  LK8  allows  the  user  to  divert  the  input  to  signal 
conditioning  circuitry,  which  may  be  built  on  the  grid 
section  of  the  board.  With  LK8  inserted,  A,N  goes  directly 
to  IC3,  an  AD845.  This  is  a  very  fast  JFET  amplifier  which 
combines  very  low  input  offset  voltage  and  offset  drift 
with  fast  settling  and  high  slew  rate.  Consult  the  AD845 
data  sheet  for  full  details. 

The  AD845  drives  the  AD7885  inputs  through  a  series  of 
links.  These  links  allow  the  user  to  configure  the  ADC  for 
either  a  ±3  volt  input  or  a  ±5  volt  input.  Table  II  shows 
the  necessary  link  settings  for  each  range. 


Table  II.  LK1-LK4  Settings 


Input  Range 

LK1 

LK2 

LK3 

LK4 

±3  Volts 

AB 

AB 

AB 

AB 

±5  Volts 

BC 

BC 

BC 

BC 

AGND  BUFFER 

IC2  is  the  force,  sense  amplifier  for  AGND.  The  AGNDS 
pin  should  be  at  zero  potential.  The  board  uses  the 
OP-07  for  IC2.  The  output  of  IC2  is  decoupled  with  a 
47  ^F  solid  tantalum  capacitor  to  AGND  to  deal  with  the 
fast  current  transients  on  the  AGNDS  pin.  The  stability  of 
this  arrangement  is  marginal,  and  the  circuit  shown  in 
Figure  2  is  used  to  improve  phase  margin.  A  feedback 
capacitor  (CF)  of  47  |j.F  should  be  used.  This  circuit  com- 
pensates for  the  load  capacitor  by  adding  a  low  fre- 
quency zero  and  ensures  an  adequate  phase  margin. 

MULTIPLEXER  APPLICATIONS 

When  the  AD7885  is  used  in  multiplexer  applications,  it 
is  possible  for  the  analog  input  to  see  a  full-scale  step 
input.  In  these  applications,  it  is  better  to  use  a  very  fast 
amplifier  as  the  AGND  buffer.  Suitable  op  amps  are  the 
AD845  or  AD847.  With  these,  there  is  no  need  for  the 
47  jlF  capacitor  to  AGND  at  the  output,  and  the  step 
response  time  allows  a  throughput  of  150  kHz  to  be 
achieved.  Thus,  if  the  user  wishes  to  multiplex  several 
channels  into  the  AD7885,  C3  and  C26  should  be  re- 
moved, R4  and  R5  should  be  shorted  out  and  the  OP-07 
(IC2)  should  be  replaced  with  either  the  AD845  and 
AD847. 


10kQ 

i-WV  O  AGNDS 


V 

Figure  2.  Compensation  Circuit  for  AGND  Buffer 
REFERENCE  SECTION 

The  required  +3  V  reference  is  derived  from  the  AD586. 
The  +5  V  output  is  divided  down  to  +3  V  by  R1  and  R2 
before  being  buffered  by  IC6.  IC4  is  a  unity  gain  inverter 
which  provides  the  -3  V  negative  reference.  The  gain 
setting  resistors  are  on-chip  and  are  factory-trimmed  to 
ensure  precise  tracking  of  VREFt.  Figure  3  shows  IC4  and 
IC6  as  AD845s.  The  very  high  slew  rate  of  these  amplifi- 
ers have  the  ability  to  respond  to  the  rapidly  changing 
reference  input  impedance  and  input  currents  and  hold 
the  VREFt  and  VREF_  inputs  at  the  required  dc  input 
levels. 
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Figure  3.  AD7885  Evaluation  Board  Circuit  Diagram 
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Conversion  is  initiated  by  applying  a  CONVST  signal  at 
SKT  2.  BUSY  is  low  during  conversion  and  goes  high  to 
indicate  the  end  of  conversion.  When  the  BUSY  line 
goes  high,  it  is  possible  to  read  the  conversion  result  by 
bringing  CS  and  RD  low.  In  the  two-byte  read  operation, 
the  HBEN  input  determines  whether  the  most  significant 
or  least  significant  byte  is  read.  When  HBEN  is  high,  then 
the  8  MSBs  are  put  on  the  bus;  when  HBEN  is  low,  then 
the  8  LSBs  are  put  on  the  bus. 

It  is  also  possible  to  tie  CS  and  RD  permanently  low 
through  links  LK5  and  LK6.  This  means  that  the  data  bus 
drivers  are  permanently  turned  on.  Each  new  conversion 
result  is  automatically  put  on  the  bus  at  the  end  of 
conversion.  The  state  of  HBEN  determines  whether  the 
least  significant  byte  or  the  most  significant  byte  is  on 
the  bus.  The  AD7885  design  guarantees  that  the  data  is 
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ground  planes  which  are  joined  only  at  Pin  21  (DGND)  of 
the  AD7885. 
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Figure  4.  Pin  Configuration  for  SKT3 
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Figure  6.  AD7885  Evaluation  Board  Solder  Side  Layout 


ANALOG-TO-DIGITAL  CONVERTERS  3-119 


Hgno 


I*"*1  "9 
+ 


C14    ^.|_J.  R3  .  III?  a  .  _?L  . 

M»lna        •  -<=>-•    ri7  ?.     •  -<=>-• 


LK2B  U. 


il    .       LC5+  C26  C1»*C2 
 v  r^Jl* 


JBU3  C25 


IC7 

(J331 

IC8 


C28 


a 


007885 

EVALUATION  BOARD 


CONVST 
SKT2 


Figure  7.  AD7885  Evaluation  Board  Component  Overlay 
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Evaluation  Board  for  the  AD7701/AD7703  Sigma  Delta  A/D  Converters 


by  Mike  Curtin 


INTRODUCTION 

This  application  note  describes  the  evaluation  board  for 
the  AD7701  and  AD7703  A/D  converters.  These  convert- 
ers utilize  sigma  delta  techniques  to  offer  exceptional 
performance.  The  AD7701  is  a  16-bit  device  with 
0.0015%  FSR  INL  error  and  no  missing  codes.  The 
AD7703  is  a  20-bit  device  with  0.0003%  FSR  INL  error 
and  no  missing  codes.  Both  parts  (which  are  pin  com- 
patible) have  a  self-calibration  mode  which  removes  in- 
ternal offset  and  gain  errors  and  a  system  calibration 
mode  which  removes  external  circuit  offset  and  gain 
errors.  Both  devices  have  a  flexible  synchronous  serial 
interface  which  allows  the  ADCs  to  connect  directly  to 
digital  signal  processors  and  microcontrollers.  In  addi- 
tion, the  AD7701  has  an  asynchronous  interface  for  use 
with  UARTs.  Full  data  on  the  AD7701  and  AD7703  is 
available  in  data  sheets  from  Analog  Devices  and  should 
be  consulted  in  conjunction  with  this  application  note 
when  using  the  e 
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The  board  has  been  designed  to  enable  all  the  features 
of  the  converters  to  be  fully  evaluated.  These  features 
include  analog  input  range,  calibration  mode,  interface 
mode  selection,  master  clock  rate  and  output  data  rates. 

The  board  operates  from  +5  volt  and  -5  volt  power 
supplies.  On-board  components  include  a  2.5  V  refer- 
ence, clock  generation  circuitry,  a  decimation  counter 
and  parallel  interface  circuitry.  The  three  different  inter- 
face options  are  as  follows:  a  parallel  output  port  suit- 
able for  n-C  (microcontroller)  and  DSP  (digital  signal 
processor)  interfacing,  an  asynchronous  RS-232  inter- 
face (AD7701  only),  a  synchronous  serial  interface  suit- 
able for  the  serial  ports  of  both  microcontroller  and  DSP 
machines. 

A  full  circuit  diagram  for  the  board  is  shown  in  Figure  5. 
The  board  layout  and  silkscreen  are  given  in  Figures  7,  8 
and  9. 
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Figure  7.  Evaluation  Board  Block  Diagram 
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LINK  OPTIONS 

The  evaluation  board  has  several  link  options  available 
and  these  are  summarized  in  Table  I  below. 


Link  No. 


LK1 
LK2 
LK3 

LK4 

LK5 

LK6 

LK7 
LK8 
LK9 


Function 


This  link  selects  either  the  on-board  oscilla- 
tor (INT)  or  an  external  clock  source  (EXT) 
as  the  input  to  the  clock  generator  section. 

This  allows  any  of  the  divider  output  rates 
to  be  used  as  the  input  clock  to  the 
AD7701/AD7703. 

This  is  the  baud  rate  selector  when  the 
AD7701  is  in  the  AC  (Asynchronous  Com- 
munications) interface  mode.  Baud  rates 
between  1200  and  19200  are  available. 

This  link  sets  the  divide  ratio  of  the  decima- 
tion counter. 

This  selects  one  of  the  three  interface 
modes  of  the  AD7701  and  one  of  two 
modes  of  the  AD7703. 

This  allows  the  calibration  and  sleep  modes 
to  be  selected.  It  also  selects  the  analog 
input  range  and  determines  whether  the  de- 
vice does  a  self-calibration  or  a  system  cal- 
ibration. 

In  the  parallel  interface  mode  for  the  board, 
this  link  configures  the  Data  Acknowledge 
Signal  (DACK)  to  be  either  active  high  or 
active  low. 

This  link  allows  the  CS  input  of  the  device 
to  be  controlled  either  by  the  output  of  the 
decimation  counter  or  by  the  DTR  input 
from  the  RS-232  interface. 

This  connects  the  on-board-generated  baud 
clock  to  the  device  SCLK  input. 


Table  I.  Link  Options 


POWER  SUPPLIES  AND  GROUNDING 

The  board  is  powered  from  a  ±5  V  supply.  Both  supplies 
are  decoupled  to  ground  with  10  p.F  tantalum  and  0.1  jjlF 
ceramic  disc  capacitors.  Power  for  the  digital  section  of 
the  board  and  the  DVDD  pin  of  the  AD7701/AD7703  is 
routed  separately  from  the  power  for  the  analog  section 
and  AVDD  on  the  AD7701/AD7703.  These  analog  and 
digital  power  lines  are  joined  together  only  at  one  point 
which  is  at  the  input  to  the  board.  The  four  supply  pins 
of  the  AD7701/AD7703  are  each  decoupled  with  0.1  |xF 
capacitors. 


The  evaluation  board  uses  extensive  ground  planing  to 
minimize  any  high  frequency  noise  interference  from  the 
on-board  clocks  or  any  other  sources.  Once  again,  the 
ground  planing  for  the  analog  section  is  kept  separate 
from  that  for  the  digital  section  and  they  are  joined  only 
at  the  board  input. 

BOARD  INITIALIZATION 

On  power-up,  the  first  step  is  to  calibrate  the  device  and 
set  up  the  operating  conditions.  The  evaluation  board 
offers  two  options  here.  The  control  pins  (CAL,  SC1, 
SC2,  BP/DP  and  SLEEP)  can  be  set  either  by  the  DIP 
switch,  SW1,  and  the  CAL  pushbutton  switch,  SW2,  or 
directly  by  LK6.  If  the  board  is  operating  in  a  stand-alone 
mode,  the  DIP  switch,  SW1,  and  the  CAL  pushbutton 
switch,  SW2,  set  up  the  operating  conditions  and  do  the 
calibration.  The  truth  table  for  the  DIP  switch  settings  is 
shown  in  Table  II.  Table  III  then  shows  the  key  for  these 
settings.  When  SW2  is  activated,  it  will  initiate  a  calibra- 
tion cycle  in  accordance  with  the  SW1-1  and  SW1-2 
settings.  The  CAL  pin  should  be  activated  whenever 
power  is  applied  to  the  board  or  whenever  the  calibra- 
tion mode  is  changed  on  SW1.  If  a  processor  is  being 
used  to  control  the  board,  LK6  can  be  driven  by  a  port  to 
set  up  the  operating  conditions  and  do  the  calibration. 
The  DIP  switches  should  be  in  the  off  position  if  LK6  is 
being  used  to  drive  the  control  pins. 


Switch 

ON 

OFF 

SW1-1 

SC1  =  0 

SCI  =  1 

SW1-2 

SC2  =  0 

SC2  =  1 

SW1-3 

Unipolar  Input 

Bipolar  Input 

SW1-4 

Sleep  Mode 

Normal  Mode 

Table  II.  SW1  Si 

tttings 

AD7701/AD7703  INTERFACE  MODE  SELECTION 

The  AD7701  may  be  set  up  for  one  of  three  serial  inter- 
face modes,  and  the  AD7703  has  two  serial  interface 
modes.  These  are  controlled  on  the  evaluation  board  by 
link  option  LK5.  The  modes  are  as  follows: 

1.  The  Synchronous  Self-Clocking  (SSC)  mode  which  is 
intended  for  interfacing  to  digital  signal  processors 
and  serial-to-parallel  shift  registers.  In  this  case,  data 
is  clocked  out  on  the  falling  edge  of  the  internally 
generated  SCLK. 

2.  The  Synchronous  External  Clocking  (SEC)  mode, 
which  is  intended  for  interfacing  to  microcontrollers 


CAL 

SC1 

SC2 

CAL  TYPE 

ZERO  REFERENCE 

FS  REFERENCE 

SEQUENCE 

_n_ 

0 

0 

Self-Cal 

AGND 

VREF 

One  Step 

_n_ 

1 

Tl 

System  Offset 

1st  Step 

_n_ 

0 

V 

System  Gain 

2nd  Step 

_n_ 

1  . 

0 

System  Offset 

vREF 

One  Step 

Table  III.  Calibration  Truth  Table 
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such  as  the  8051  and  68HC11.  In  this  case  an  external 
SCLK  is  applied  to  the  AD7701/AD7703,  and  data  is 
clocked  out  on  its  falling  edge. 

3.  Th  e  Asynchronous  Communications  (AC)  mode  is 
present  on  the  AD7701  only  and  is  intended  for  inter- 
facing to  UARTs.  In  this  mode,  no  clock  is  used.  Data 
is  clocked  out  in  two  serial  bytes.  Each  byte  has  one 
start  bit  and  two  stop  bits. 


LK2  Position 

 ~ 


LK5  Position 

Interface  Mode 

SSC 

'  

Synchronous  Self-Clocking 

SEC 

Synchronous  External  Clocking 

AC 

Asynchronous  Communication 

Table  IV.  Interface  Mode  Selection 

;  the  link  option  positions  for  the  various 

ANALOG  INPUT  SECTION 

The  analog  input  to  the  board  is  applied  to  the  miniature 
BNC  connector  labelled  A,N.  R12  and  C22  provide  filter- 
ing of  any  high  frequency  noise  which  may  be  present 
on  the  analog  input.  R12  also  provides  current  limiting  in 
the  event  of  an  input  signal  which  exceeds  the  AVDD 
supply. 

The  reference  for  the  AD7701/AD7703  is  provided  by  IC5 
(the  AD580,  2.5  V  reference).  This  is  decoupled  with 
10  p.F  and  0.1  to  signal  ground.  The  RC  combination 
at  the  reference  output  act  as  a  filter  for  any  high  fre- 
quency noise  present.  In  addition,  the  AD580  output  is 
buffered  by  IC12  (TLC271)  and  is  available  at  VREFS  and 
Vrfpf  so  that  it  can  be  used  as  a  reference  fo 


so  that  it  can  be  used  as  a 
elements  in  the  system. 


for  other 


CLOCK  GENERATION 

The  evaluation  board  Clock  Generator  section  is  com- 
prised of  X1  (4.9152  MHz  crystal),  IC1,  IC2  and  associ- 
ated passive  components.  Link  option  LK1  allows  the 
user  to  choose  between  an  externally  supplied  clock  and 
that  generated  on  the  board.  With  LK1  in  the  EXT  posi- 
tion, the  input  applied  at  the  BNC  connector  labelled 
CLKIN  is  applied  to  the  input  of  the  counter  IC2.  This 
input  should  be  +5  V  CMOS  compatible.  Link  option  LK2 
then  selects  a  sub-multiple  of  this  to  drive  the  AD7701/ 
AD7703  CLKIN  pin.  If  LK1  is  in  the  INT  position,  then  the 
on-board  4.9152  MHz  oscillator  is  selected  as  the 
counter  input. 

Counter  IC2  (74HC4040)  divides  the  input  clock  by  2" 
where  n  =  0,  1,  ...  7.  Table  V  shows  the  resulting  CLKIN 
frequency  for  the  various  link  positions  when  the  on- 
board 4.9152  MHz  oscillator  is  the  counter  input. 

The  AD7701/AD7703  has  its  own  on-chip  oscillator 
which  needs  only  an  external  crystal  or  ceramic  resona- 
tor to  operate.  Note  however  that  ceramic  resonators 
and  low  frequency  crystals  will  need  loading  capacitors 
to  operate  correctly. 





CLKIN  Frequency 

4.9152  MHz 
2.4576  MHz 
1.2288  MHz 
614.4  kHz 
307.2  kHz 
153.6  kHz 
76.8  kHz 
38.4  kHz 


Table  V.  Choosing  CLKIN  Frequency  for  the 
AD770VAD7703 


The  evaluation  board  allows  operation  with  the  on-chip 
oscillator.  The  desired  crystal  should  be  inserted  in  the 

AD7701/AD7703.  In  addition,  the  wire  link  located  di- 
rectly above  TP8  should  be  removed  to  disconnect  the 
clock  coming  from  IC2.  Note  that  in  addition  to  the  X2 
slot,  there  is  also  provision  made  for  loading  capacitors 
on  the  board.  The  space  for  these  is  located  directly 
above  X2. 

■ 

DECIMATION  COUNTER 

Each  time  a  data  word  is  available  for  output  from  the 
AD7701/AD7703,  the  DRDY  line  goes  low.  If  the  DRDY 
line  is  tied  directly  to  the  device  CS  input,  it  will  output 
data  every  time  a  data  word  is  presented  to  the  output 
pin.  The  output  update  rate  is  fCLKiN/1024.  Thus,  for  a 
CLKIN  frequency  of  4.096  MHz,  the  output  update  rate 
and  output  data  rate  will  both  be  4  kHz.  Some  applica- 
tions will  not  require  such  a  high  output  data  rate  and  it 
is  possible  to  reduce  this  by  simply  dividing  down  the 
DRDY  signal  before  driving  CS.  This  function  is  known 
as  decimation  and  is  performed  on  the  evaluation  board 
by  IC3,  IC8a  and  Link  Options  LK4  and  LK8.  With  a  link 
inserted  in  LK8,  Position  A,  the  output  of  the  counter  IC3 
drives  the  AD7701/AD7703  CS  input.  In  this  case,  the 
counter  accumulates  2"  counts  (where  n  =  0  to  11)  at 
which  time  the  selected  output  enables  the  CS  input  of 
the  AD7701/AD7703.  The  D  input  to  flip-flop  IC8a  is  en- 
abled to  a  "1"  at  the  same  time  as  CS  goes  low.  When 
DRDY  returns  high,  IC8a  is  toggled  and  resets  the 
counter  IC3  which  terminates  the  CS  enable.  Table  VI 
gives  the  divide  ratios  for  the  LK4  settings  and  also  gives 
the  resulting  output  data  rate,  for  a  4.096  MHz  CLKIN. 

EVALUATION  BOARD  INTERFACING 

The  board  offers  three  separate  interfaces:  a  synchro- 
nous serial  port;  an  RS-232  port  and  a  16-bit  parallel 
port. 

Synchronous  Serial  Port 

The  synchronous  serial  port  is  available  at  the  submin- 
iature  D  connector,  SKT1.  The  pin  configuration  for  this 
is  given  in  Figure  2.  The  port  can  be  used  in  both  the 
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3 
4 
5 
6 
7 
8 
9 

10 
11 


500  Hz 
250  Hz 
125  Hz 

62.5  Hz 
31.1  Hz 

15.6  Hz 

7.8  Hz 

3.9  Hz 
1.9  Hz 


Table  VI.  Setting  AD7701/AD7703  Output  Data  Rate 


Figure  2.  Pin  Configuration  for  SKT1,  Synchronous 
Serial  Port 

Synchronous  Self-Clocking  Mode  and  the  Synchronous 
External  Clocking  mode.  The  port  has  six  lines  which  are 
described  below. 


DGND 


DR 


Ground  reference  point 

This  buffered  input  controls  the  AD7701/AD7703 
CS  input 


This  buffered  output  is  the  DRDY  signal  from 
the  AD7701/AD7703 

SD  This  is  the  buffered  SDATA  output  of  the 
AD7701/AD7703 

SCO  Serial  Clock  Output.  When  the  device  is  operat- 
ing in  the  SSC  mode,  the  serial  clock  from  the 
AD7701/AD7703  is  buffered  and  available  at  this 
pin.  The  output  three  state  buffer  is  controlled 
by  the  MODE  pin  of  the  device.  If  the  MODE  pin 
is  low  (indicating  SEC  mode),  the  three  state 
buffer  is  disabled. 

SCI  Serial  Clock  Input.  When  the  device  is  operating 
in  the  SEC  mode,  the  external  serial  clock  is 
applied  to  this  terminal  and  goes  via  the  three 
state  buffer  to  the  SCLK  pin.  If  the  AD7701/ 
AD7703  MODE  pin  is  high  (indicating  SSC 
mode),  then  the  three  state  buffer  is  disabled. 

In  the  SSC  mode  serial  data  and  serial  clock  are  output 
from  the  AD7701/AD7703  whenever  the  CS  line  is  acti- 
vated. In  order  to  control  this  by  a  processor  port  con- 
nected at  SKT1,  it  is  important  to  place  the  jumper  in  LK8 
in  position  C  (No  Connection).  This  removes  the  decima- 
tion counter  output  from  controlling  the  CS  line. 
In  the  SEC  mode  serial  data  is  clocked  out  on  the  falling 
edge  of  the  externally  supplied  serial  clock  whenever  the 
CS  line  is  activated.  In  order  to  have  full  control  with  a 


RS-232  Port  (AD7701  Only) 

The  RS-232  port  is  available  at  the  subminiature  D  con- 
nector, SKT2.  The  pin  configuration  for  this  is  given  in 
Figure  3. 

12     11 10     9      8     7      6      5      4      3      2      1  ^ 


25    24    23    22    21     20     19     18    17    16     15    14  J 

Figure  3.  Pin  Configuration  for  SKT2,  RS-232  Port 

When  the  AD7701  is  set  up  for  the  AC  (Asynchronous 
Communications)  mode  by  tying  the  MODE  pin  to  -5  V, 
data  is  transmitted  in  two  serial  bytes  in  UART- 
compatible  format.  An  external  SCLK  sets  the  baud  rate. 
On  the  evaluation  board,  this  clock  is  derived  from  the 
counter  IC2.  Its  frequency  is  set  by  the  link  option,  LK3. 
The  baud  rates  corresponding  to  the  link  positions  are 
given  in  Table  VII.  Note  that  if  the  on-board  baud  clock  is 
to  be  used,  the  jumper  on  LK9  should  be  in  position  A. 
This  makes  the  connection  between  the  output  of  IC2 
and  the  AD7701  SCLK  input.  Alternatively,  the  baud 
clock  can  be  controlled  by  a  clock  input  to  the  SCI  input 
at  SKT1.  In  this  case  the  jumper  on  LK9  should  be  in 
position  B. 


LK3  Position 


8 
9 
10 
11 
12 


Baud  Rate  Clock 
(CLKIN  =  4.9152  MHz) 


19.2  kHz 
9.6  kHz 
4.8  kHz 
2.4  kHz 
1.2  kHz 


Table  VII.  Baud  Rate  Settings 


The  DRDY  output  from  the  AD7701  signals  the  CTS 
(Clear  To  Send)  line  of  the  RS-232  interface  when  data  is 
available.  The  remote  terminal  then  responds  with  a 
DTR  (Data  Terminal  Ready)  signal.  When  LK8  is  set  to 
position  B,  the  DTR  signal  drives  the  CS  input  of  the 
AD7701  and  initiates  the  data  transfer. 

IC11,  the  MC145406  RS-232  Interface  chip  converts  the 
TTL  levels  from  the  AD7701  to  the  required  ±5  V  signals 
to  drive  the  remote  terminal  or. takes  the  ±5  V  signals 
and  converts  them  into  TTL  levels.  The  RS-232  interface 
on  the  evaluation  board  is  fully  functional  but  does  not 
comply  with  all  the  requirements  of  the  EIA  RS-232  stan- 
dard. When  the  MC145406  receiver/driver  chip  is  oper- 
ated from  ±5V  supplies  rather  than  ±6V,  its  driver 
output  swing  is  reduced  below  the  EIA  specified  limits. 
In  practical  applications  this  signal  swing  limitation  only 
reduces  the  length  of  cable  the  circuit  is  capable  of 
driving. 
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Parallel  Port  (AD7701  Only) 

The  16-bit  Parallel  Port  is  available  at  two  sockets  on  the 
board,  SKT3  and  SKT4.  The  Eurocard  Connector,  SKT3, 
allows  this  board  to  be  connected  directly  to  the  evalua- 
tion board  for  the  ADSP-2100  Digital  Signal  Processor, 
which  is  available  from  Analog  Devices.  SKT4  provides  a 
general  purpose  socket  for  interfacing  to  any  other  par- 
allel systems.  The  pinout  for  SKT3  and  SKT4  is  given  in 


Figure  4. 

When  using  the  parallel  interface,  the  A  D7701  should  be 
set  up  to  operate  in  the  SSC  mode  (LK5  set  at  SSC). 
Activation  of  the  CS  input  on  the  AD7701  will  determine 
the  rate  at  which  it  attempts  to  update  the  output  shift 
registers  IC9  and  IC10.  CS  can  be  controlled  by  the  dec- 
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IC10.  When  it  goes  low,  the  shift  register  outputs  are 
held  until  a  Data  Acknowledge  (DACK)  signal  is  received 
from  the  remote  device  and  resets  flip-flop  IC8b.  In  the 
ADSP-2100  interface,  PDR  drives  an  interrupt  line  in  the 
processor.  The  service  routine  reads  the  16-bit  data  by 
bringing  PCS  low  and  AO  high.  When  the  data  has  been 
read  it  sends  back  a  DACK  signal  to  reenable  the  output 
shift  registers.  Note  that  LK7  allows  the  DACK  signal  to 
be  either  active  high  or  low.  If  DACK  is  true  when  high, 
then  LK7  should  be  in  position  A;  whereas  if  DACK  is 
true  when  low,  LK7  should  be  in  position  B. 

IC9  and  IC10  are  set  up  to  be  read  in  16-bit  parallel 
fashion  with  the  low  byte  in  IC9  and  the  high  byte  in 
IC10.  They  can  also  be  configured  to  be  read  separately 
as  two  8-bit  bytes  on  an  8-bit  bus.  To  do  this,  the  Byte 
Wide  Jumpers  must  be  soldered  in  place.  In  addition,  for 
proper  "one  byte  at  a  time"  address  selection,  the  con- 
nections at  Pin  10  of  IC6  on  the  circuit  board  must  be 
altered  to  control  which  register  is  to  be  read  when  AO  is 
a  1  and  which  is  to  be  read  when  it  is  0.  This  can  be  seen 
in  Figure  5.  For  example,  if  the  most  significant  byte  is  to 
be  read  when  AO  is  0,  IC10  should  be  enabled  and  IC9 
disabled.  The  link  between  4  and  5  on  the  board  must  be 
broken,  and  1  must  be  joined  to  4. 


Figure  4.  Pin  Configurations  for  SKT3  (a)  and  SKT4  (b) 

SKT1 .  If  it  is  controlled  remotely,  L.K4  must  be  in  position 
0  to  ensure  that  the  output  register  update  and  the  re- 
mote CS  occur  at  the  same  rate.  When  CS  goes  low,  the 
16-bit  output  data  is  clocked  into  the  two  8-bit  shift 
registers,  IC9  and  IC10.  These  are  set  up  for  shift  righl 
operation  (SO  =  1,  SI  =  0),  and  their  three-state  outputs 
are  available  at  SKT3  and  SKT4.  A  rising  edge  on  Pin  2  of 
IC6  indicates  that  the  output  registers  have  been  up- 
dated. This  signal  clocks  the  D-type  flip-flop,  IC8b  to  set 
its  Q  output  low  and  indicate  to  the  remote  reading 
device  that  the  registers  have  been  updated  and  can  be 
read.  This  is  called  the  PDR  (Parallel  Data  Ready)  signal. 
The  PDR  signal  also  controls  the  SO  input  of  IC9  and 


Link/ 
Switch 

Position 

i  

Function 

LK1 

INT 

On-board  oscillator  selected  as  input 

LK2 

0 

to  clock  generator  section 
IC2  counter  divider  ratio  set 
at  1. 

Baud  rate  selector  not  used. 
Decimation  counter  divide  ratio  set 

LK3 
LK4 

NC* 
0 

at  1. 

LK5 

LK6 

LK7 
LK8 

LK9 

SW1-1 
SW1-2 

SSC 

D 

A 
A 

B  (NC*) 

ON 
ON 

Synchronous  self  clocking  interface 
mode  selected. 

Not  used.  SW1  sets  the  calibration 
mode. 

DACK  signal  set  to  be  active  low. 
Decimation  counter  output  controls 
the  CS  input  of  the  AD7701/AD7703.. 
SCLK  not  controlled  by  the  baud 
clock. 

Sets  SC1  input  at  0. 

Sets  SC2  input  at  0.  With  SCI,  SC2 

SW1-3 
SW1-4 

ON 
OFF 

both  set  to  0,  the  device  calibration 
mode  is  self-calibration  of  zero  and 
full  scale. 

Unipolar  input  range  selected. 
Normal  mode  (i.e.,  not  low  power 
Sleep  mode)  selected. 

*NC  =  No  Connection 

Table  VIII.  Link  and  Switch  Settings 


IP  CONDITIONS 

In  order  to  initially  set  up  and  verify  that  the  evaluation 
board  is  functional,  it  is  useful  to  set  all  the  link  and 
switch  settings  for  a  particular  mode  of  operation.  The 
settings,  given  in  Table  VIII,  will  set  the  board  for  the 
following:  On-board  4.9152  MHz  clock;  unipolar  analog 
input  range;  Self-calibration  mode;  4.8  kHz  output  up- 
date rate;  SSC  Interface  Mode.  To  obtain  specified  offset 
and  full-scale  performance,  the  CAL  switch,  SW2  should 
be  depressed  immediately  after  power-up.  Figure  6 
gives  the  link  and  switch  positions  on  the  board  in  order 
to  ease  setup. 
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Figure  5.  Evaluation  Board  Circuit  Diagram 
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Figure  6.  Positioning  of  Links  and  Switches  on  the  Evaluation  Board 
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Figure  7.  AD7701/AD7703  Evaluation  Board  Component  Layout 
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Figure  9.  AD7701 IAD7703  Evaluation  Board  Solder  Side  Layout 
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A  Balanced  Summing  Amplifier 


The  summing  amplifier  circuit  shown  in  Figure  1  represents  an 
excellent  virtual  ground  summing  amplifier  using  a  balanced 
differential  design  that  includes  extremely  low  noise  and  wide 
bandwidth  as  featured  by  the  SSM-201 5.  Any  size  audio  mixing 
system  can  benefit  from  balanced  virtual  node  mixing  (sum- 
ming). The  low  cost  and  exceptional  performance  of  this  design 
can  be  incorporated  in  any  system  with  balanced  or  mixed 
balanced  and  unbalanced  input  sources. 

IC2,  the  PMI  OP-41,  serves  as  a  DC  servo-amplifier  that  is 
referenced  to  signal  ground.  The  circuit  functions  as  an  integra- 
tor with  a  long  time  constant  that  retains  the  integrity  of  low 
frequency  audio  signals  down  to  5Hz,  and  keeps  e0UT  =  0VDC, 
(±1 0mVDC).  The  OP-41  is  a  FET  input  amplifier,  with  low  input 
offset  voltage  (VQS)  and  high  input  impedance.  Although  many 
low  performance  JFET/CMOS  operational  amplifiers  can  be 
employed,  the  summing  output  VDC  is  a  function  of  the  servo's 
input  offset  voltage  and  its  temperature  coefficient  (AVQS/AT), 
which  must  be  kept  low  for  direct  coupled  summing  applica- 
tions. 

In  this  design,  the  following  facts  predominate:  es  =  0,  and  is  = 
0.  e|N  is  the  algebraic  sum  of  the  input(s)  eIN1 ,  e|N2,  eIN3,  e|Nn  and 
etc.  e0UT  =  [e|N1  (RF/R|N1 )  +  e|N2(RF/R|N2)  +  e1N3(RF/R|N3)  +  e|Nn(RF/ 


R|Nn)],  etc.  The  input  impedance  therefore  equals  R|N1 ,  R)N2,  R|N3, 
R|N  ,  etc.  The  overall  gain  of  the  circuit  is  set  by  RF,  and  the  gain 
of  the  individual  channels  can  be  adjusted  independently  by  the 
values  of  R|N1,  R|N2,  R|N3,  R|Nn,  etc. 

For  individual  source  input(s),  gain  is  A0  =  RF/R,N- 

The  circuit  configuration  produces  linear  signal  mixing  at  the 
summing  nodes  (IC1  pins  10,1 1),  whereas  es  =  0;  therefore,  no 
interaction  occurs  between  the  source  inputs.  Owing  to  the  fact 
that  the  SSM-201 5  is  a  bipolar  transistor  device,  the  noise  is  low 
( 1 .3n VA/hz).  The  commonly  used  values  of  1 0kSl for  RF  and  R|N 
are  optimal  for  both  minimum  noise  and  previous  stage  loading, 
eliminating  the  need  for  buffer  amplifiers  and  their  noise  contri- 
bution. 

The  input  common-mode  rejection  for  the  SSM-201 5  is  typically 
100dB  as  a  result  of  true  differential  input  topology.  The  differ- 
ential thermal  noise  and  DC  offset  drift  is  nearly  eliminated  by 
the  common  substrate  construction  employed.  To  exploit  the 
high  CMR  of  the  SSM-201 5,  all  signal  resistors  should  be 
matched  resistor  networks  or  should  employ  0.5%  or  better 
resistor  tolerances. 


The  output  circuit  topology  of  the  SSM-201 5  is  complementary 
bipolar  producing  overall  performance  of  6V/(is  slew  rate,  and 
is  able  to  drive  a  2kQ  unbalanced  load.  The  circuit  described 
can  be  directly  coupled,  eliminating  coloration  and  distortion 
associated  with  coupling  capacitors.  The  circuitry  following  this 
amplifier  could  be  AC  (capacitor)  coupled  if  the  DC  servo  IC„ 
offset  voltage  of  ,1  OmVDC  is  objectionable. 

Audio  performance  challenges  the  best  test  equipment  that 
might  be  used  to  measure  high  performance  analog  designs. 
For  example:  worst  case  THD  for  this  circuit  measures  less  than 
0.008%,  and  IMD  less  than  0.02%  over  a  band-width  of  1 0Hz  to 
20kHz.  See  Table  1  for  more  performance  details. 


TABLE  1 :  Circuit  Performance  Specifications 


Frequency  Response  (dB  20Hz  to  20kHz) 

±0.02 

S/N  Ratio  @  +23dBu 

103dB 

TMD  +  Noise  (@  +23dBu  20Hz  to  20kHz) 

0.008% 

IMD  (@  +23dBu  SMPTE  60Hz  &  4kHz,  4:1) 

0.015% 

CMRR  (60Hz) 

100dB 

Slew  Rate 



6V/ns 



Output  Voltage  (2k£J  load)  +23dBu  or  1 1 V, 


■ 

■ 
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A  Balanced  Input  High  Level  Amplifier 


The  balanced  amplifier  in  Figure  1  utilizing  the  SSM-201 5  fea- 
tures adjustable  gain  and  can  accept  nominal  audio  signals 
from  -27.5dBu  to  +0dBu  with  more  than  30dB  of  headroom. 
The  input  terminals  can  tolerate  common-mode  voltages  of  30 
volts  peak-to-peak.  Common-mode  noise  rejection  is  greater 
than  1 0OdB  at  1 ,000Hz,  while  the  EIN  (Equivalent  Input  Noise) 
is  a  low  -124dBu. 

The  IC,  amplifier  circuit  is  gain  adjustable,  and  the  design 
utilizes  a  12-position  switch  with  2.5dB  steps.  Other  resistor 
values  can  be  calculated  to  accommodate  custom  gain  require- 
ments. 

IC,  is  PMI's  SSM-201 5  true  differential  input  IC  amplifier.  Its 
input  circuit  utilizes  two  identical  low  noise  bipolar  transistors, 
with  access  to  the  emitters  that  provide  the  gain  adjustment.  RQ 
(Rt4  through  R24)  sets  the  amplifier's  gain  using  the  equation: 


Gain  =  3.5 


(2°rg1°3)  ,or  R°'  Rl8  =  10  0kQ 


The  emitter  feedback  design  exhibits  both  minimum  noise  and 
maximum  common-mode  rejection  while  retaining  a  very  high 


input  impedance.  The  output  circuit  topology  is  complementary 
bipolar  producing  6V/m.s  slew  rate,  and  is  able  to  drive  a  2kQ 
unbalanced  load.  The  circuit  described  can  be  directly  coupled 
eliminating  the  distortion  associated  with  coupling  capacitors. 
Circuitry  following  this  amplifier  could  be  AC  (capacitor) 
coupled  if  input  normal-mode  DC  voltages  are  expected  at  the 
input  of  this  circuit.  Worst  case  THD  measures  less  than 
0.008%,  and  IMD  less  than  0.015%. 

Input  components  C,,  C2,  R,,  and  R2  constitute  a  single  pole 
low-pass  filter  that  limits  the  input  voltage  slew  rate,  curbs 
interface  transient  intermodulation  distortion,  and  keeps  the 
amplifier  from  slewing.  The  input  network  has  little  effect  on 
phase  response  within  the  pass  band  of  20Hz  to  20kHz.  To 
maintain  high  frequency  common-mode  performance,  capaci- 
tors C,  and  C2  should  be  matched  for  1%  tolerance. 

For  an  output  voltage  of  -10dBu,  the  balanced  input  amplifier 
circuit  has  an  input  sensitivity  range  of  O.OdBu  to  -27.5dBu.  The 
common-mode  voltage  trim  is  included  for  maximizing  applica- 
tion common-mode  noise  reduction  and  also  allows  the  use  of 
low  cost  components. 


FIGURE  1 
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TABLE  1 :  Circuit  Performance  Specifications 
Frequency  Response  (dB  20Hz  to  20kHz) 



S/N  Ratio  @  +23dBu 


103dB 


THD  +  Noise  (20Hz  to  20kHz)  @  +23dBu 


0.008% 


IMD  (SMPTE  60Hz  S  4kHz,  4:1)  @  +23dBu 


0.015% 


CMRR  (60Hz) 


100dB 


Slew  Rate 


6V/us 


Specific  gain  can  be  calculated  from  the  equation 


10.0kQ 


TYPICAL  APPLICATIONS 

This  design  is  ideal  for  use  as  the  input  amplifier  in  audio 
distribution  amplifiers,  for  balanced  input  audio  routing  switch- 
ers, as  the  input  buffer  ahead  of  the  A-to-D  codec  in  digital 
recording  and  mixer  equipment,  or  for  the  low  noise  high  level 
input  of  mixing  consoles. 


Output  Voltage  (2kO  load) 


+23dBu  or  11V„ 


■ 

■ 
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An  Unbalanced,  Virtual  Ground  Summing  Amplifier 


The  summing  amplifier  circuit  shown  in  Figure  1  represents  a 
splendid  unbalanced  virtual  ground  summing  amplifier.  The 
design  utilizes  the  SSM-2134,  PMI's  superior  version  of  the 
popular  NE5534  bipolar  operational  amplifier.  This  low  noise 
amplifier  can  now  be  implemented  where  most  equipment 
manufacturers  use  FET  input  operational  amplifiers.  The  circuit 
described  features  reduction  in  noise,  temperature,  and  input 
impedance  effects  on  static  condition  output  voltages,  and 
elimination  of  unity  gain  instability. 

The  SSM-21 34  helps  reduce  wide-band  noise  figures  by  3dB  to 
10dB,  while  improving  the  frequency  and  phase  response 
performance.  Only  minimal  value  compensation  (C2)  is  re- 
quired for  the  SSM-2134.  In  the  feedback  loop,  improves 
stability  while  keeping  the  slew  rate  at  10V/[*s  and  bandwidth 
greater  than  100kHz. 

In  this  circuit,  note  the  following  design  facts:  e, 
algebraic  sum  of  the  input  voltage(s)  eIN,,  e,k,„  em, 


is  the 

i  N  n 

etceo„, 

e|Nn(RF/R|Nn)],  etc.  The  individual  input  impedance  therefore 
equals  R|N1,  R|N2,  R|N3,  R|Nn,etc.The  overall  gain  of  the  circuit 
is  set  by  Rp  and  the  gain  of  the  individual  channels  can  be 
adjusted  independently  by  the  values  of  R|N1,  R|N2,  R|N3,  and 

RINn' 

For  individual  source  input(s),  voltage  gain  =  RF/R|N. 

The  circuit  configuration  produces  linear  signal  mixing  at  the 
summing  node  (common  tie  point  C, ,  RF,  R|Nr  RIN2,  R|N3,  and 
R,.,  ),  whereas  e„  =  0,  there  is  no  interaction  between  the 
source  inputs.  Owing  to  the  fact  that  SSM-2134  is  a  bipolar 
device,  noise  is  low  (2.8nV/VRz).  The  commonly  used  values  of 
10kQ  for  RF  and  R,N  are  optimal  for  both  minimum  noise  and 
previous  stage  loading,  eliminating  the  need  for  buffer  amplifi- 
ers and  their  noise  contribution. 

This  design  produces  maximum  amplifier  bandwidth  with  un- 
conditional circuit  stability  for  both  input  and  output  impedance 
(reactive  or  not)  variations. 


FIGURE  1 

TABLE  1 :  Circuit  Performance  Specifications 

Frequency  Response  (20Hz  to  20kHz)  ±0.02dB 

S/N  Ratio  (@  +23dBu) 

104dB 

THD  +  Noise  (@  +23dBu,  20Hz  to  20kHz) 

0.007% 

IMD  (SMPTE  60Hz  and  4kHz,  4:1) 

0.015% 

Slew  Rate 

10V/ns 

Output  Voltage  (2kO  load)           +23.3dBu  or  1 1 .3VRMS 
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A  High  Performance  Transformer-Coupled  Microphone  Preamplifier 


The  SSM-201 5  or  SSM-201 6  low  noise  differential  amplifier  is 
utilized  in  a  transformer-coupled  microphone  preamplifier.  The 
circuit  shown  in  Figure  1  represents  a  microphone  preamplifier 
with  high  performance,  wide  dynamic  range,  and  ultra  low 
noise.  The  design  features  a  Jensen  transformer-coupled 
preamplifier  circuit  with  balanced/floating  input,  1500Q  input 
loading,  three  step  input  attenuator,  phantom  microphone 
powering,  and  twelve  amplifier  gain  choices.  Although  the 
design  shown  includes  a  twelve  position  gain  selector,  fixed 
gain  applications  can  utilize  the  component  value  calculations 
and  formula  provided. 

The  design  provides  microphone  input  loading  of  1 500Q.  Input 
loading  is  capacitive  reactive,  and  at  higher  input  voltage 
frequencies,  the  low-pass  network  and  transformer  character- 
istics help  attenuate  unwanted  normal-mode  RF  and  ultrasonic 
voltages  that  might  be  present  at  the  input  terminals. 

The  input  circuit  contains  a  three-position  input  attenuator  used 
to  optimize  source  levels  versus  amplifier  headroom.  As  usual, 
it's  a  compromise  of  headroom  and  preamplifier  signal-to- 
The  attenuation  is  OdB,  -10 
ing  an  input  impedance  of  15" 


- 


A  phantom  microphone  powering  circuit  is  included  for  con- 
denser microphones  that  require  24  to  48  volts  DC  power. 

The  common-mode  voltage  range  is  limited  only  by  the  trans- 
former's primary-to-shield  breakdown  voltage.  Common-mode 
rejection  is  a  product  of  the  primary-to-secondary  isolation  and 
provides  detachment  of  the  microphone  wiring  environment. 
Although  the  balanced  single-pole  low-pass  filter  at  the  input 
terminals  provides  protection  from  radio  frequency  interfer- 
ence, this  network,  along  with  the  capacitive  effect  of  the 
primary  winding  to  the  grounded  shield,  plus  the  phantom 
powering  resistors  present  a  circuit  path  for  external  RF  volt- 
ages to  enter  the  preamplifier's  circuit  ground.  A  carefully 
planned  single  point  (power  supply)  grounding,  and  the  true 
balanced  and  differential  input  topology  of  the  SSM-201 5/201 6 
amplifier  will  eliminate  unwanted  external  noise  signals. 


The  network  composed  of  R4  and  C6  at  the  transformer  sec- 
ondary serves  two  functions.  It  minimizes  transformer  rising 
secondary  winding  signal  amplitude  with  rising  input  frequency 
and  deters  secondary  ringing,  while  helping  to  prevent  amplifier 
input  slewing.  The  SSM-201 5/201 6  differential  input  improves 
performance  substantially  as  compared  with  the 
conventional  unbalanced  design. 


OGND 
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The  circuit  design  incorporates  a  gain  switch  with  twelve  (12) 
calculated  gain  settings.  The  Jensen  transformer,  model  JE- 
1 1 0K-HPC  used  in  this  application  has  a  voltage  gain  of  1 7.9dB. 
For  an  output  voltage  of  -10dBu,  the  microphone  amplifier 
circuit  has  an  input  sensitivity  range  of  -65dBu  to  -17.5dBu, 
with  a  typical  output  headroom  of  33dB.  The  preamplifier  circuit 
shown  is  gain  adjustable  from  9.6dB  to  39.6dB  in  2.5dB  steps. 

PMI's  SSM-201 5/201 6  input  circuit  utilizes  two  identical  low 
noise  bipolar  transistors,  with  access  to  the  emitters,  that 
provide  the  gain  adjustment.  The  output  circuit  topology  is 
complementary  bipolar  producing  6V/us  (2015)  and  10V/jis 
(2016)  slew  rate  into  a  2kf2  unbalanced  load. 

RG  (R17  through  R28)  sets  the  amplifier  gain  using  the  equation: 

VG  =  3.5  «  (20X103| 
for  R14,  and  R,5  =  1 0.Oka 


sw 

*e,N(dB) 

RG 

VALUE  (£2) 

1 

9.6 

-37.5 

Hff 

100k 

2 

12.1 

^10.0 

R18 
R19 

37.4k 

3 

14.6 

-42.5 

10.7k 

4 

17.1 

-45.0 

20 

5.49k 

5 

19.6 

-47.5 

R21 
R22 
R23 
R24 
R25 
R26 

> 
R28 

3.32k 

6 

22.1 

-50.0 

2.15k 

7 

24.6 

-52.5 

1.47k 

8 

27.1 

-55.0 

1.05k 

9 

29.6 

-57.5 

750 

10 

32.1 

-60.0 

549 

11 

34.6 

-62.5 

402 

12 

39.6 

-65.0 

215 

*lnput  attenuator  set  to  the  OdB  position. 


Unspecified  overall  circuit  gain  can  be  calculated  from  the 
equation: 

G«b  =  20log[3.5  +(20x  1°3|l  +17.9 
L        \    Rg  /J 

TYPICAL  PERFORMANCE 

Frequency  response  versus  amplitude  is  +0.2dB  from  20  to 
20,000Hz,  and  THD  +  noise  is  better  than  0.03%  over  gain  and 
frequency  range  described,  with  a  typical  EIN  (Equivalent  Input 
Noise)  of  -127dBu.  See  Table  1  for  detailed  performance 
specifications. 


For  applications  where  additional  headroom  is  required,  the 
SSM-2016  should  be  used.  The  SSM-2016  can  be  powered 
with  up  to  ±36VDC  rails  and  drive  600O  loads.  If  ±24VDC  rails  are 
used,  headroom  increases  to  35.7dB  (typically),  while  the  EIN 
remains  at  -1 27dB.  As  a  consequence  of  the  increased  power 
supply  voltage,  the  SSM-2016  package  power  dissipation  will 
typically  be  600mW  with  ±24VDC  rails  (no  signal),  and  will  rise 
to  725mW  with  worst  case  signal  conditions  into  600£2  load. 

For  ±36VDC  power  rails,  although  the  headroom  increases  to 
39.3dB,  the  SSM-2016  will  dissipate  1.2  watts  with  no  signal 
applied,  and  1 .5  watts  worst  case  signal  conditions  into  600O 
load.  Therefore,  IC  package  cooling  should  be  taken  into 
consideration.  Please  see  the  SSM-2016  data  sheet  for  IC  pin- 
out  connections  and  recommended  compensation  capacitor 
values.  All  other  circuit  component  values  shown  here  apply. 

The  transformer-coupled  microphone  preamplifier  circuit  de- 
scribed above  demonstrates  robust,  real-world  usage  refine- 
ments, along  with  most  operational  features  required  by  equip- 
ment designers  to  deliver  the  highest  performance.  It  will  handle 
the  most  hostile  microphone  environments  without  distress  to 
either  the  circuit  or  the  user. 


TABLE  1:  Circuit  Performance  Specifications 

Frequency  Response  ±0.1 5dB 

(20Hz  to  20kHz,  -60dBu,  50dB  gain) 

THD  +  Noise  (20Hz  to  20kHz,  -60dBu,  50db  gain)  0.045% 
IMD  (+23dBu,  SMPTE  60Hz  and  4kHz,  4:1)  0.05% 

EIN  (Equivalent  Input  Noise,  1 50Q  source)  -1 27dB 

Input  Impedance  (20Hz  to  5kHz)  15000 

Source  Impedance  150Q 

CMR  at  1kHz  (common-mode  rejection  at  1kHz)  120dB 

CMVR  (common-mode  voltage  range)  ±150VDC 

Slew  Rate  (overall  circuit)  6V/|is 

Gain  Range  (overall  circuit)  17.5dB  to  36dB 

Output  Voltage 
SSM-201 5  (±1 8VDC,  2kQ  load)  +23dBu  or  1 1 VRMS 

SSM-201 6  (±24VDC,  2kO  load)  +25.7dBu  or  1 5VRMS 

Output  Headroom  33dB 
(SSM-201 5,  2kQ  load,  -10dBu  nominal) 

 • 
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ione  Preamplifier  Design 


The  SSM-201 5  differential  amplifier  is  utilized  in  a  transformer- 
less, active-balanced  input  amplifier.  The  circuit  shown  in 
Figure  1  provides  a  microphone  preamplifier  design  with  excel- 
lent performance  and  low  noise.  The  design  features  a  trans- 
formerless preamplifier  circuit  with  true-balanced  input,  1 500Q 
input  loading,  phantom  microphone  powering,  and  high  com- 
mon-mode rejection.  The  design  shown  also  includes  a  twelve 
position  gain  selector,  or  for  fixed  gain  usage,  component  value 
calculations. 

The  design  includes  microphone  input  loading  of  1500Q,  but 
the  load  resistor  can  be  changed  to  accommodate  other  appli- 
cations. Input  loading  is  capacitive  reactive  at  higher  frequen- 
cies to  attenuate  unwanted  RF  and  ultrasonic  voltages  at  the 
input  terminals. 

The  phantom  microphone  powering  circuit  provides  power  for 
condenser  microphones  that  require  24  to  48  volts  DC.  The 
zener  diodes  CR, ,  CR2,  CR3,  and  CR„  protect  the  input  transis- 
tors of  the  SSM-201 5  when  connecting  the  microphone  to  the 
•  circuit. 


The  common-mode  voltage  range  is  ±5.5  volts.  Its  common- 
mode  rejection  is  optimized  for  most  applications  by  the  true- 
balanced  and  differential  input  topology  of  the  SSM-201 5.  A 
balanced  single  pole  low-pass  filter  at  the  input  terminals 
provides  protection  for  the  circuit  from  radio  frequency  interfer- 
ence and  prevents  slewing  of  the  SSM-201 5  amplifier.  The 
output  circuit  topology  is  complementary  bipolar  producing  6V/ 
us  slew  rate,  and  able  to  drive  a  2kfi  unbalanced  load. 


The  circuit  design  incorporates  a  gain  switch  with  twelve  (12) 
calculated  gain  settings.  For  an  output  voltage  of  -1  OdBu,  the 
microphone  amplifier  circuit  has  an  input  sensitivity  range  of 
-65dBu  to  -27.5dBu,  and  an  output  headroom  of  33dB.  The 
overall  circuit  gain  is  adjustable  from  27.5dB  to  55dB  in  2.5dB 


sw 

RG 

VALUE  (Q) 

1 

27.5 

-37.5 

R,5 

1.00k 

2 

30 

-40 

Rie 

715 

3 

32.5 

-42.5 

R,7 

511 

4 

35 

-45 

R18 

374 

5 

37.5 

-47.5 

R,9 

280 

6 

40 

-50 

R20 

205 

7 

42.5 

-52.5 

R2, 

154 

8 

45 

-55 

R22 

115 

9 

47.5 

-57.5 

R23 

86.6 

10 

50 

-60 

R2« 

63.4 

11 

52.5 

-62.5 

R26 

47.5 

12 

55 

-65 

R26 

35.7 

FIGURE  1 
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SSM-201 5  input  circuitry  utilizes  two  identical  low  noise  bipolar 
transistors,  with  access  to  the  emitters  that  provide  the  gain 
adjustment.  RG  (R,5  through  R26)  sets  the  amplifier's  gain  using 
the  equation: 

Gain  =  3.5  +  (20X1°3|     for  Rg,  &  R13  =  10.0k£2 
I    Rg  / 

Unspecified  gain  can  be  calculated  from  the  equation: 
GaindB  =  20log[3.5+(20iJ0!j] 

The  frequency  response  amplitude  is  ±0.1  dB  from  20  to 
20,000Hz,  and  THD  +  noise  of  better  than  0.03%  over  the  gain 
range  described  with  a  typical  EIN  (Equivalent  Input  Noise)  of 
-124dBu. 

The  transformerless  microphone  preamplifier  circuit  described 
above  demonstrates  real-world  usage  refinements  and  in- 
cludes most  operational  features  required  by  equipment  de- 
signers. 


TABLE  1 :  Circuit  Performance  Specifications 
Frequency  Response  (20Hz  to  20kHz) 


±0.1  dB 


THD  +  Noise  (@  +23dBu,  20Hz  to  20kHz) 
IMD  (@  +23dBu,  SMPTE  60Hz  &  4kHz,  4:1 ) 


0. 


03% 


0.05% 


EIN  (Equivalent  Input  Noise,  150Q  source) 


-124dB 


CMR  (Common-Mode  Rejection  at  1kHz) 


105dB 


Slew  Rate 


6V/us 


Output  Voltage  (2k£i  load) 


+23dBuor  11V„ 


(2kfl  load,  -10dBu  nominal)  33dB 
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AGC- 


The  automatic  gain  control  (AGC)  amplifier  described  below 
and  shown  in  Figure  1 ,  features  selectable  gain  reduction 
compression  ratios  and  time  domain  adjustable  AGC  attack 
and  release.  This  design  employs  the  SSM-2013  VCA  ,  SSM- 
2110  precision  level  detector,  two  SSM-2134  low  noise  op 
amps,  and  an  OP-21 5  FET  input  dual  op  amp. 

The  design  features  an  inverting  or  noninverting  input  buffer 
amplifier,  a  voltage  controlled  amplifier  with  adjustable  attack 
and  recovery  characteristics,  driven  by  a  true  RMS  level  detec- 
tor. Additionally,  it  provides  selectable  gain  reduction  compres- 
sion, adjustable  AGC  output  level,  and  maximum  gain  limit 
controls.  Signal-to-noise  ratio  is  better  than  100dB  and  the 
RMS  level  detector  allows  the  AGC  amplifier  to  operate  trans- 
parently throughout  the  audio  spectrum.  The  gain  recovery  is 
linear  and  time  adjustable,  and  has  maximum  gain  limiting 
(gating)  to  preclude  input  source  noise  floor  rise. 

The  input  circuit  includes  a  line  level  (-10dBu  to  OdBu)  buffer 
amplifier,  that  accepts  inverting  or  noninverting  inputs  with 
greater  than  1 0k£2  loading  impedance.  The  buffer  also  isolates 
the  input  source  from  the  compressor  gain  reduction  ratio 
selector,  and  limits  step  function  slewing  voltage. 


i  Attack  and  Release  Control 

The  six-position  gain  reduction  selector  that  follows  the  input 
amplifier  provides  adjustable  compression  that  smoothes  the 
AGC  action.  Six  GAIN  REDUCTION  slope  ratios  of  2  to  22  can 
be  selected,  thus  reducing  the  irritating  "hole  producing  and 
pumping" character  of  most  AGC  circuits.  The  SSM-2013  VCA 
is  chosen  for  its  predictable  behavior  and  its  high  performance. 
The  dynamic  range  exceeds  94dB  over  the  frequency  range 
20Hz  to  20kHz.  Over  this  frequency  range,  the  amplifier 
achieves  typically  less  than  0.01%  THD  +  noise,  and  0.03% 
IMD 

The  SSM-2110's  precision  rectifier  circuit  produces  the  true 
RMS  output  that  comprises  a  level  detector.  It  results  in  a 
consistent  and  precise  AGC  action  that  retains  good  signal 
dynamics  while  leveling  the  input  signal.  It  responds  to  the  audio 
signal  power  density  in  a  manner  similar  to  human  hearing. 

Following  the  precision  RMS  rectifier  is  the  VCA  control  voltage 
conditioning  circuits.  Constructed  around  U6  (OP-21 5),  the 
FET-input  amplifier  forms  an  integrator  while  the  other  amplifier 
provides  the  VCA  control  port  buffer.  The  AGC  output  level  is  set 
by  the  rectified  signal  voltage  compared  to  the  reference  volt- 
age from  the  OUTPUT  LEVEL  control. 


FIGURE  1 


10% 
14  TANTALUM 


NOTE:  Ua,  U,.  UB,  &  U« 

POWER  SUPPLY  CONNECTIONS 

AND  BYPASSING  ARE  NOT  SHOWN 
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The  AGC  attack  and  compression  response  is  altered  by 
adjusting  the  integrator  charging  time  constant  or  integrator 
wave  shape  current.  The  three-position  ATTACK  switch  allows 
selection  of  fast,  medium,  and  slow  compression  and  AGC 
response.  When  the  slow  position  is  selected,  an  insignificant 
amount  of  compression  will  take  place,  while  fast  and  medium 
combine  compression  with  the  AGC  action.  The  AGC  release 
rate  is  controlled  by  a  constant  current  discharge  of  the  integra- 
tor capacitor.  The  recovery  time  constant  is  linear  and  adjusted 
by  changing  the  integrator  discharge  current  supplied  by  and 
regulated  by  the  RELEASE  rate  control. 

The  SSM-2134  has  been  selected  for  its  low  noise  and  high 
performance  characteristics.  The  AGC  circuit  described  is  of 
the  feedback  class,  that  is,  the  level  detecting  rectifier  follows 
the  voltage  controlled  amplifier  stage.  This  class  of  AGC  circuit 
combined  with  the  complementary  gain  reduction  compression, 
driven  by  RMS  level  detection,  and  adjustable  attack  and 
release  AGC  action,  allows  this  circuit  to  be  as  unobtrusive  or 
as  conspicuous  as  desired. 

The  flexibility  and  high  performance  of  this  design,  along  with 
the  simplicity  and  cost  effectiveness,  allows  this  design  to  be 
suitable  for  incorporating  in  mixing  console  designs,  or  in  stand- 
alone products. 


TABLE  1:  Circuit  Performance  Specifications 


Input  Voltage  Range 

-26dBu  to  +10dBu 

(Nominal  for  OdBu  Out) 

(6mV  to  2.45V-..  J 

*  HMb' 

Rectifier  Type 

RMS 

AGC  Amplifier  Class 

Feedback 

Attack  Time 

20  to  200ms 

Recovery  Time  (6dB) 

3  to  32  SEC 

VCA  Feedthrough  (Trimmed) 

-100dB 

Gain  Limit  Range  (Gain  Reduc 

:tion  22) 

-26dBu  to-12dBu 

Frequency  Response  (20Hz  to  20kHz) 

±0.2dB 

S/N  Ratio  (@  ±10dB  Gain) 

106dB 

THD  +  Noise  (@  +23dBu,  20Hz  to  20kHz) 

0.01% 

IMD  (@  +  23dBu,  SMPTE  60Hz  &  4kHz,  4 

:1)  0.02% 

Output  Voltage  Slew  Rate 

6V/us 

Output  Voltage  (2kQ  Load) 

+22dBu  or10VRMS 

- 


■ 
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High  Performance  Stereo  Routing  Switcher 


The  SSM-2402  Dual  Audio  Switch  comprises  the  nucleus  for 
this  16  channels-to-one  high  performance  stereo  audio  routing 
switcher,  which  features  negligible  noise  and  low  distortion  over 
the  frequency  range  of  20Hz  to  20kHz.  This  performance  is 
achieved  even  while  driving  600Q  loads  at  signal  levels  up  to 
+30dBu. 

The  SSM-2402  affords  a  much  simplified  electrical  design  and 
printed  circuit  board  layout,  along  with  reduced  manufacturing 
cost,  when  compared  with  discrete  JFET  circuits  of  similar 
performance.  The  electrical  performance  of  the  design  de- 
scribed is  vastly  superior  to  CMOS  switch  designs,  which  are 
more  prone  to  failure  resulting  from  electrical  static  discharge. 

The  switching  control  of  the  SSM-2402  may  be  activated  by 

S  logic 


conventional  mechanical  switches  or  5  volt  TTL  or  CMOS  I 
circuits.  The  application  shown  utilizes  a  simple  mechanical 
control  switch  for  illustration  purposes  only.  Many  diverse  X/Y 
control  schemes,  destination  control,  or  computer  controlled 
designs  can  be  utilized. 


- 

The  "T"  configuration  of  the  SSM-2402  switch  provides  excel- 
lent ON-OFF  isolation.  The  SSM-2402  also  features  7ms  ramp- 
ed turn  on  and  4ms  ramped  turn  off  for  click-free  switching. 
Additionally,  the  switch  has  a  break-before-make  switching 
sequence.  Both  features  become  significant  in  large  audio 
switching  systems  where  the  audio  path  can  pass  through 
multiple  switching  elements.  Such  controlled  switching  is  very 
important  in  large  systems  used  in  broadcast  program  switching 
or  in  production  work. 

The  application  circuit  design  also  employs  the  SSM-2015 
balanced  input  amplifier  (Figure  1).  The  input  impedance  is  high 
(~100kQ),  balanced  or  unbalanced.  The  input  circuit  incorpo- 
rates a  single  pole  RFI  filter  with  a  cutoff  frequency  set  at 
145kHz.  In  addition,  the  input  circuit  attenuates  the  signal  by 
25dB  and  extends  the  common-mode  input  voltage  range  to 
±98  volts  peak,  with  common-mode  rejection  greater  than  70dB 
from  20Hz  to  20kHz.  The  SSM-2015  is  set  to  produce  a  15dB 
gain.  The  signal  drive  level  into  the  SSM-2402  switch  is  then 


lo  o- 

i 
i 

1 


i 
| 


0V .  OFF 
+5V-ON 


INPUT  (RIGHT)  ' 
(+2MBU) 


101m 


AUDIO  INPUT  AND  CROSSPOINT  SWITCHING  CIRCUIT  (TYP  - 16) 


FIGURE  1:  Switcher  Schematic 
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NPUT  (RIGHT) 

LOO-WVNA 


FIGURE  2:  Switcher  Functional  Block  Diagram 


+ 1 0dBu  with  a  +20dBu  input  level  and  + 1 4dBu  peak,  well  within 
ideal  operating  range.  Good  signal-to-noise  is  maintained,  with 
generous  head-room  available  by  electing  to  use  ±18VDC 
power  supply  voltages. 

The  routing  switcher  bus  carries  high  level  unbalanced  audio, 
but  is  driven  with  low  impedance  sources.  With  the  output  im- 
pedance of  the  SSM-2015  at  virtually  0£2  and  the  SSM-2402 
switch  ON,  resistance  is  typically  60Q.  Bus-to-bus  crosstalk  is 
exceptionally  low.  For  example,  assuming  14pF  coupling  be- 
tween buses  and  20kHz  signal,  the  crosstalk  (isolation)  ex- 
ceeds 80dB.  The  14pF  would  be  representative  for  the  16  X  1 
stereo  design  shown.  Shielding  of  the  buses  with  a  printed 
circuit  board  ground  plane  and  physically  isolating  the  input  and 
output  circuits  will  reduce  the  crosstalk  even  further.  The  "T" 
configuration  of  the  SSM-2402  switch  virtually  eliminates 
crosstalk  between  the  various  input  signal  sources. 


The  output  amplifier  incorporates  a  buffer  amplifier  that  pro- 
vides 4dB  of  gain  (nominally),  with  adjustable  output  level  trim 
control.  The  buffer  also  isolates  the  switching  bus  from  the 
balanced  output  amplifier  circuit.  The  balanced  output  is  de- 
signed to  drive  600Q  loads  and  utilizes  two  SSM-2134  IC 
amplifiers.  The  differential  design  increases  drive  capability,  yet 
increases  the  heat  dissipation  surface  area,  and  keeps  IC 
package  temperature  well  within  safe  operating  limits,  even 
when  driving  600Q  loads.  The  SSM-21 34  is  recommended  due 
to  its  low  noise,  wide  frequency  response,  and  output  drive 
current  capabilities. 

Overall  performance  of  the  1 6X  1  stereo  switcher  is  noteworthy. 
Input-to-output  frequency  response  is  flat  to  within  1  dB  over  a 
1 0Hz  to  50kHz  band.  Total  harmonic  distortion  plus  noise  is  less 
than  0.03%,  from  20Hz  to  20kHz.  SMPTE  intermodulation  dis- 
tortion is  less  than  0.02%.  The  use  of  ±1 8VDC  power  supplies 
produces  a  +30dBm  clip  level,  even  when  driving  600Q  loads. 
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TABLE  1:  Circuit  Performance  Specifications 


Max  Input  Level 

+30dBu 

Input  Impedance,  Unbalanced 

100kQ 

Input  Impedance,  Balanced 

200kQ 

Common-Mode  Rejection  (20Hz  to  20kHz) 

>70dB 

Common-Mode  Voltage  Limit 

±98V  Peak 

Max  Output  Level 

+30dBu/dBm 

Output  Impedance 

67Q 

Gain  Control  Range 

±2dB 

Output  Voltage  Slew  Rate 

6V/nS 

Frequency  Response  (±0.05dB) 

20Hz  to  20kHz 

Frequency  Response  (±0.5dB) 

10Hz  to  50kHz 



THD  +  Noise  (20Hz  to  20kHz,  +8dBu) 

0.005% 

THD  +  Noise  (20Hz  to  20kHz,  +24dBu) 

0.03% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1,  +24dBu) 

0.02% 

Crosstalk  (20Hz  to  20kHz) 

>80dB 

S/N  Ratio  @  OdB  Gain 

135dB 
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A  Balanced  Mute  Circuit  for  Audio  Mixing  Consoles 


APPLICATION  NOTE 


The  SSM-2402  Dual  Audio  Switch  enhances  the  performance 
and  simplifies  the  design  of  balanced  high  level  switching 
(Mute)  circuits  used  in  audio  mixing  consoles.  The  use  of  the 
SSM-2402  and  SSM-21 34  creates  a  design  that  has  negligible 
transient  noise  (as  a  result  of  signal  switching),  and  exception- 
ally low  signal  distortion  over  a  wide  dynamic  range.  The  bal- 
anced high  level  voltage  switch  then  drives  a  virtual  ground 
summing  bus  through  1 0kQ  resistors.  Also  included  is  a  design 
for  a  virtual  ground  summing  amplifier. 


The  SSM-2402  is  a  monolithic  dual  audio  switch  that  improves 
electrical  performance  and  eases  printed  circuit  board  layout 
design.  The  design  reduces  manufacturing  cost  when  com- 
pared with  discrete  JFET  designs  of  similar  performance. 
Electrical  performance  is  measurably  superior  to  CMOS  switch 
designs,  and  will  be  less  prone  to  failure  from  electrical  static 
discharge. 

MOM.) 


INPUT 
(LEFT)  x 


INPUT 
(RIGHT)  37.4k!) 


FIGURE  1:  Audio  Mixer  Channel  Mute  (On/Off)  Circuit,  a  Balanced  Design  with  High  Level  Bus  Switching 
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The  "T"  switch  configuration  of  the  SSM-2402  provides  excel- 
lent ON-OFF  isolation.  The  design  shown  further  improves  the 
ON-OFF  isolation  and  left/right  channel  crosstalk  figures  by 
maintaining  the  common-mode  rejection  ratio  of  a  fully  bal- 
anced design.  The  switch  features  a  7ms  ramped  turn-on  and 
4ms  ramped  turn-off,  and  guaranteed  break-before-make 
switching  sequence  for  transient-free  audio  switching.  The 
system  performance  is  improved  for  large  audio  consoles  that 
have  multiple  switches  in  the  audio  signal  path. 

The  switch  control  ports  are  easily  interfaced  to  conventional 
5VDC  TTL  or  CMOS  digital  control  circuits,  further  simplifying 
the  control  circuit  design.  Furthermore,  product  reliability  and 
serviceability  are  improved  by  the  simplified  design.  The 
application  shown  uses  an  elementary  control  circuit  to  func- 
tionally illustrate  control  voltage  requirements.  Customized 
logic  gate  control  schemes  or  computer-controlled  designs  can 
be  easily  implemented. 

The  application  circuit  design  employs  dual  audio  switches 
driven  by  U3,  U4,  U5  and  U6  inverting  amplifiers.  Their  gain  is 
controlled  by  two  dual  voltage  controlled  amplifier  (VCA)  ele- 
ments U,  and  U2.  A  simplified  signal  path  is  shown  for  applica- 
tion clarity.  For  additional  design  information  of  the  SSM-2122 
dual  VCA,  consult  the  data  sheet. 

The  design  shown  in  Figure  1  is  signal  phase  noninverting,  and 
incorporates  a  minimum  number  of  components  to  minimize 
noise.  The  input  signal  source  should  be  balanced  to  maximize 
separation  and  crosstalk  isolation.  PCB  layout  should  also 
utilize  equal  inductance  in  each  side  of  the  signal  path  wiring, 
and  include  equal  stray  capacitance  to  ground  and  other  signal 
paths  to  obtain  maximum  performance.  The  SSM-2122  VCA 
provides  good  gain  tracking  of  the  two  audio  channels,  while 
maintaining  accuracy  in  the  balanced  signal  path. 

U,  1  and  U12  are  utilized  as  high  level  switches  so  that  other  post- 
switching  functions  can  be  employed.  A  nominal  drive  level  of 
OdBu  balanced  (-6dBu  unbalanced)  is  applied  to  the  switch. 
This  level  is  arbitrary,  but  will  satisfy  most  signal-to-noise  and 
headroom  compromises.  The  output  of  amplifiers  U3,  U4,  U5,  and 
U6  are  AC  coupled  prior  to  the  switches  to  further  minimize  the 
switching  transients  caused  by  active  component  offset  volt- 
ages. The  balanced  virtual  ground  mixing  buses  are  current 
driven  by  Rs  of  10M2.  This  value  can  affect  overall  system 
performance,  and  should  be  modified  to  suit  the  size  of  the 
mixing  bus  system.  A  greater  number  of  input  mixing  channels 
will  warrant  lower  bus  drive  current.  Although  the  individual 
values  of  Rs  and  RF  can  be  altered,  their  values  must  be  the 
same  for  a  summing  amplifier  voltage  gain  of  one  (1). 


TABLE  1 :  Circuit  Performance  Specifications 


Mav  Inniit  I  a\/a[ 
ivldA  input  Level 

t JUUUU 

Input  Impedence,  Balanced 

75kn 

Common-Mode  Rejection  (20Hz  to  20kHz) 

>70dB 

r,nmmnn-Mndp  Vnltane*  I  imit 

+12V  Peak 

Max  Output  Level 

+30dBu 

Output  Voltage  Slew  Rate 

1 2V/U.S 

t  i  cuuci  luy  noopvjiioc  j 

20Hz  to  20kHz 

Freauencv  ResDonse  1+0  5dBu) 

10Hz  to  50kHz 

THD  +  Noise  (20Hz  to  20kHz,  +8dBu) 

0.005% 

THD  +  Noise  (20Hz  to  20kHz,  +24dBu) 

0.03% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1 ,  +24dBu) 

0.02% 

ON/MUTE  Isolation  (20Hz  to  20kHz) 

>85dB 

S/N  Ratio  @  OdB  Gain 

135dB 





The  active  switches'  ON  resistances  are  typically  60Q  and  are 
well  matched.  One  should  use  1%  or  better  tolerance  series 
resistor  Rs  (10k£J)  to  minimize  imbalance  in  the  signal  path.  In 
the  OFF  state,  the  "T"  configuration  of  the  switch  virtually 
eliminates  leakage  of  the  input  source  signal  into  the  mixing 
bus(es).  Greater  than  100dB  mute  isolation  at  1kHz  can  be 
obtained  with  prudent  printed  circuit  board  design  since  the 
SSM-2402  control  inputs  and  switch  terminals  are  separated  by 
ground  guards. 

The  use  of  ±1 8VDC  power  supplies  allows  a  +30dBu  (balanced) 
clipping  level.  All  integrated  circuit  components  mentioned  will 
operate  reliably  at  ±18VDC,  and  noise  contribution  will  be  in- 
discernible, even  in  large  mixing  systems.  The  balanced  input 
to  balanced  output  frequency  response  is  typically  greater  than 
1 0Hz  to  50kHz,  within  1  dB.  Total  harmonic  distortion  plus  noise 
will  measure  less  than  0.01%,  from  20Hz  to  20kHz  at  +30dBu, 
with  SMPTE  intermodulation  distortion  less  than  0.02%  under 
the  same  measurement  conditions. 
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AN-123 
APPLICATION  NOTE 


TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/32*4700 


A  Constant  Power  "Pan"  Control  Circuit  for  Microphone  Audio  Mixing 


The  SSM-2134  permits  the  design  of  a  constant  power,  tran- 
sient-free "PAN"  control  circuit  suitable  for  installation  in  the 
highest  performance  audio  mixing  consoles.  The  design  incor- 
porates unique  and  vital  features.  The  PAN  IN/OUT  switch  does 
not  introduce  transient  type  noise  or  interruptions  in  the  audio 
when  activated  or  deactivited,  and  when  panning,  an  accurate 
constant  power  output  is  maintained  between  the  sum  of  the  two 
channels.  The  design  allows  "punching-in"  and  "punching-out" 
of  the  PAN  circuit  while  mixing  down  or  on-the-air,  without 
transient  clicks  or  holes  in  the  mix. 

The  design  utilizes  conventional  parts,  e.g.,  a  single  SPST 
switch  and  a  linear  10kQ  potentiometer.  U,  (SSM-2134)  is  used 
as  a  unity  gain,  inverting  buffer  with  an  input  impedance  of 
37.4kQ.  The  input  source  could  be  a  VCA  element  or  audio 
direct  from  the  fader  control.  The  values  shown  will  allow  a  VCA, 
for  example,  the  SSM-2013,  to  be  used  with  only  minor  addi- 
tions. The  overall  application  circuit  is  noninverting  from  input  to 
output. 

The  15kQ  series  input  resistors  Rs,  plus  the  inverting  input 
15kQ  R,  in  parallel  with  5kQ  (1/2  of  10k£2,  with  the  PAN  control 


in  the  center)  forms  an  attenuator  that  has  a  1 4dB  loss.  Rotating 
the  PAN  control  in  either  direction  decreases  the  attenuation  t 
-1 1  dB  for  one  channel  and  maximum  attenuation  for  tl 


»-L+-L-, 

Rl  5k£2 


RL  =  3.75KQ 


Attenuation  is  calculated  as: 


dBi_oss  =  20  log — ^ —  = 
Rl  +  Rs 

Amplifier  (U2  &  U3)  gain  is: 


20  log 


3.75kQ 


3  75kQ  +  15kQ 


•  =  -14dB 


dBGAIN  =  20  log 


Ri 


20  log 


75kQ 
15kQ 


+14dB 


The  frequency  response  is  typically  10Hz  to  50kHz,  within 
0.5dB.  Total  harmonic  distortion  plus  noise  will  measure  less 
than  0.007%  from  20Hz  to  20kHz,  and  SMPTE  intermodulation 
distortion  less  than  0.01%.  The  amplifier  clipping  level  is 
+24dBu  with  ±1 8VDC  power  supply  rails.  Headroom  is  nominally 
30dB,  and  27dB  at  full  PAN  for  the  operating  channel. 


FIGURE  1 :  Constant  Power  Type  Control  Circuit  with  Transient  Free  IN/OUT  Switching 
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TABLE  1:  Circuit  Performance  Specifications 


Hpartrnnm 

30dB 

Oiitmit  \/r\ltano  ^louu  Goto 
WUlfJUl  VUildyc  OlcW  ndLc 

vDV/[lb 

FreQUGncy  ResponsG  (±0.05dB) 

20  Hz  to  20kHz 

Frpnupnrv  Rp^nnncsp  (+0  SrlR^ 

10  Hz  to  50kHz 

THD  +  Noise  (20Hz  to  20kHz,  +8dBu) 

0.005% 

THD  +  Noise  (20Hz  to  20kHz,  +24dBu) 

0.03% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1 ,  +24dBu) 

0.02% 

S/N  Ratio 

130dB 
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ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4; 


Three  High  Accuracy  RIAA/IEC  MC  and  MM  Phono  Preamplifiers 


Although  the  digital  compact  disk  is  rapidly  supplanting  the  vinyl 
disk  as  the  popular  media  method  for  professional  and  con- 
sumer audio  entertainment,  the  electro-mechanical  recording 
and  reproduction  of  audio  signals  has  many  more  years  of  life. 
The  group  of  phono  preamplifier  application  designs  below  will 
make  the  future  years  with  vinyl  more  productive  and  pleasant. 
The  applications  employ  solid  engineering  concepts,  and  dis- 
miss "golden  ear"  discussions. 


One  design  includes  an  input  scheme  for  both  moving  coil  (MC) 
and  moving  magnet  (MM)  -  or  variable  reluctance  -  transduc- 
ers. All  designs  employ  extremely  low  noise  circuit  topologies, 
high  accuracy  active  and  passive  RIAA  (Recording  Industries 
Association  of  America)  equalization  with  selectable  old  RIAA 
or  RIAA/IEC  (International  Electro-Technical  Commission) 
curves.  The  applications  incorporate  both  consumer  and  bal- 
anced output  circuit  configurations. 


10kQ 


35V 


INPUT  LOADING  SELECTOR 


>68.1kn  <920Q 


SlOkQ 


FIGURE  1 :  High  Accuracy  RIAA/IEC  MC  or  MM  Phono  Preamplifier 
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+22.5dB        -0.17d8  +16.6dB  -17.67dB 


-3.35dB  OdB  GAIN 


-10dBu   -OUTPUT 

^  (CONSUMER) 


(4dB  TO  14dB  GAIN) 


NOTE:  GAIN  OR  LOSS  AT  1kHz  (SINE  WAVE) 


SIMPLIFIED  SCHEMATIC 


1 — 


NOTES:  U,-SSM-2015 
U2-SSM-2134 

1%  -  POLYPROPYLENE  OR  POLYSTYRENE  METALIZED  FILM  CAPACITORS 


FIGURE  2:  Passive  (Multi-Filter)  RIAA/IEC  Equalized  Phono  Preamplifier 


A  HIGH  ACCURACY  DESIGN 

In  the  High  Accuracy  RIAA/IEC  Phono  Preamplifier  shown  in 
Figure  1 ,  both  MC  and  MM  transducer  input  configurations  are 
presented.  Both  utilize  the  PMI SSM-201 5  differential  amplifier 
and  take  advantage  of  the  high  common-mode  rejection  it 
provides.  The  overall  circuit  structure  does  not  incorporate  any 
design  compromises.  It  provides  the  lowest  possible  noise, 
adjustable  MM  input  loading,  highest  accuracy  RIAA  filtering, 
and  is  completely  devoid  of  transient  and  frequency  dependent 
gain  errors.  The  wide  bandwidth  stages  minimize  in-band  phase 
shift,  and  provide  exceptional  phase  and  frequency  response 
accuracy.  This  allows  the  RIAA/IEC  filter  to  render  the  exact 
reciprocal  of  the  recorded  phase  and  frequency  characteristics. 


Referring  to  Figure  1 ,  the  MC  input  circuit  has  input  loading  (R  J 
set  at  100Q.  (Note:  some  MC  transducers  require  10Q  loading 
for  maximum  reproduction  accuracy.  For  these,  replace  RL  with 
a  10Q  metal  film  resistor.)  The  input  circuit  gain  is  44dB,  and 
provides  a  -20dBu  signal  level  at  point  A.  44dB  gain  should  be 
adequate  for  most  MC  cartridges  available.  If  U,  gain  requires 
adjusting,  use  the  equation: 


G<JB 


20log(3.5  +g0  *  K?j 


bias  value  and  contributes  to  symmetrical 
amplifier  slewing.  The  RIAA  filter  stage  that  follows  LI,  stage(s) 
all  but  eliminates  noise  produced  by  the  input  amplifier. 
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FIGURE  3:  Passive  RIAA/IEC  Equalized  Phono  Preamplifier 


The  next  stage  contains  the  RIAA-RIAA/IEC  equalization  filter 
and  is  built  around  U2,  the  SSM-21 34  operational  amplifier,  and 
is  an  active  feedback  type  filter.  The  overall  gain  of  this  circuit 
at  1,000Hz  is  -2.5dB.  RIAA  equalization  requires  a  gain  of 
19.3dB  at  20Hz,  and  attenuation  of  19.6dB  at  20,000Hz.  The 
open-loop  gain  of  U2  is  greater  than  100dB  at  20Hz,  and  60dB 
at  20,000Hz,  ensuring  exceptional  equalization  accuracy. 

Three  filters  make  up  the  RIAA  reproduction  curve.  The  time 
constants  are:  75ns,  318ns,  and  3180ns,  and  a  fourth  time 
constant  in  the  RIAA/IEC  curve  is  7960ns.  The  IEC  filter  was 
introduced  to  minimize  warp  and  infrasonic  signal  interference 
while  maintaining  flat  frequency  response  down  to  40Hz. 

-  The  75ns  filter  is  formed  by  resistors  R,  (9.76k£l)  and  R2 
(31.8kQ)  in  parallel  with  capacitor  C2  (0.01nF). 

-  The  31 8ns  pre-emphasis  filter  is  formed  by  R2  (31 .8k£2)  and 

c2(o.omF). 

-  The  3180ns  filter  is  formed  by  R3  (318k£i)  and  C3  (0.01  nF). 

-  The  fourth  pole,  IEC  7960ns,  a  high  pass  filter  is  formed  by 
R4  (31 .6kO)  and  C4  (0.22nF),  and  provides  3dB  attenuation 
at  20Hz  rolling  off  at  -6dB/octave  thereafter. 


Table  1  contains  the  complete  RIAA  and  RIAA/IEC  reproduction 
equalization  characteristics.  RIAA/IEC  switching  allows  selec- 
tion of  either  reproduction  response  curves.  For  the  "audio 
purist,"  C5  can  be  eliminated  for  a  direct  coupled  design,  thus 
reducing  envelope  and  group  delay  distortions.  All  amplifier 
feedback  circuits  are  direct  coupled,  and  are  referenced  to 
circuit  ground.  The  closed-loop  gain  is  kept  low  to  minimize 
input  offset  voltage.  Therefore,  only  very  small  DC  voltages  can 
be  expected  at  the  output  of  the  directly  coupled  version. 

The  high  level  amplifier,  U5,  provides  +12.7dB  gain  and  feeds 
the  unbalanced  Consumer  Output  jack,  with  a  nominal  -1  OdBu 
level.  U5  is  followed  by  balanced  output  buffer  amplifier.  The 
nominal  output  level  is  continuously  adjustable  from  O.OdBm  to 
+10dBm  at  the  balanced  output  terminals.  The  output  source 
impedance  is  75£J,  and  will  drive  600£i  loads  to  a  maximum 
+30dBm  clip  point  level.  Table  2  shows  circuit  performance 
specifications. 
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TABLE  1:  RIAA/IEC  and  RIAA  Playback  Characteristics 


TABLE  2:  High  Accuracy  Circuit  Performance  Specifications 


RIAA  /IEC 

RIAA 

Frequency 

Relative  Level 

Relative  Leve 

MS) 

2.0 

-0.2 

2.5 

+  1.8 

T  1 R 

+3  7 

4.0 

+5.7 

D.U 

l~7  R 

6.3 

+9.4 

8.0 

+112 

1 0.0 

+  12  B 

1 2.5 

,1/11 

+  14.1 

1R  n 

\  O.U 

j-1  R  4 
+  I  O.t 

20.0 

+  16.3 

+19.3 

?r  n 

R  ft 
t  ID.O 

4-1  q  n 

T1  R. 

+17  0 

-1-1  ft  R 

+  I  O.O 

An  n 

4U.U 

j_1  R  Q 
+  1  O.O 

+  1  1 .0 

n 

+  l  D.O 

.ICQ 

+ 1  o.y 

OO.U 

+  1  5.4 

+  1 5.8 

an  n 

■  1  A  1 

+  14. 5 

100 

+  12.9 

+  13.1 

+1 1 .5 

1  1  1  c 
+  1  1  .D 

I  DU 

+y.  f 

+9.8 

.  Q  O 

+  G.£ 

+  D.  r 

t  R  7 
+D.  / 

315 

+  5.2 

+5.2 

/i  nn 

+o.o 

+0.0 

500 

+2.6 

+2.6 

'2' 

630 

+0.8 

+0.8 

1  000 

n  n 
u.u 

n  n 

U.U 

1  ocn 
1  ,dO\J 

—0.8 

—0.7 

1,600 

1  R 

—1 .6 

1  fi 
-1 .6 

—2.6 

—2.6 

—3.7 

—3.7 

3,1 50 

—5.0 

—5.0 

4,000 

-6.6 

—6.6 

r  nnn 

—8.2 

—8.2 

r  inn 

1  n  n 
— 1  U.U 

—1 0.0 

r  nnn 
o,uuu 

1  1  Q 

—1 1 .» 

1  n  nnn 

—  1 0. 1 

HQ  7 

—  1  O.  / 

12,500 

-15.6 

-15.6 

16,000 

-17.7 

-17.7 

20,000 

-19.6 

-19.6 

MC  Nominal  Input  Level  -64dBu  (0.5mV) 

MC  Input  Impedance  100Q 

MM  Nominal  Input  Level  -~48dBu  (3.0mV) 

MM  Input  Impedance,  Resistive  69kQ  or  47kQ 

MM  Input  Impedance,  Capacitive  50pF  to  350pF 

Common-Mode  Rejection  (20Hz  to  20kHz)  >50dB 

Common-Mode  Voltage  Limit  ±10VPeak 

Nominal  Output  Level,  Balanced  +8dBu/dBm 

Max  Output  Level,  Balanced  +30dBu/dBm 

Output  Impedance,  Balanced  70Q 



Gain  Control  Range,  Balanced  O.OdBu  to  10dBu/dBm 

Nominal  Output  Level,  Unbalanced  -10dBu 

Max  Output  Level,  Unbalanced  +24dBu 

Output  Impedance,  Unbalanced  1.000Q 

Output  Voltage  Slew  Rate  >6V/  \is 

RIAA  Reproduction  Characteristics 

(20Hz  to  20kHz)  ±0.25dB 

RIAA/IEC  Reproduction  Characteristic 

(2Hz  to  20kHz)  ±1.0dB 

Wideband  Frequency  Response  (±1.0dB)  0.0Hz  to  70kHz 
Signai-to-Noise  Ratio  (20Hz  to  20kHz)  >90dB 
THD  +  Noise 

(20Hz  to  20kHz  +8dBu,  Any  Output)  0.01  % 

IMP  (SMPTE  60Hz  &  4kHz,  4:1)  0.02% 

A  PASSIVE  MULTI-FILTER  DESIGN 

The  Passive  Split  Multi-Filter  RIAA/IEC  Preamplifier  design, 
shown  in  Figure  2,  is  intended  for  moving  magnet  (MM)  input 
phono  transducers.  The  design  has  an  extremely  low  noise 
circuit  topology,  high  accuracy  passive  RIAA/IEC  equalization 
filters,  and  both  unbalanced  consumer  and  balanced  output 
circuits.  The  input  configuration  utilizes  the  SSM-2015.  It  pro- 
vides the  lowest  possible  noise,  adjustable  resistive  and  ca- 
pacitive input  loading,  and  high  accuracy  passive  RIAA  filtering 
totally  devoid  of  transient  and  frequency  dependent  gain  errors. 

Referring  to  Figure  2,  the  following  two  stages  contain  the  RIAA- 
RIAA/IEC  passive  equalization  filters.  All  high  pass  and  low 
pass  filters  are  passive.  The  signal  is  amplified  by  U2  and  U3 
SSM-2134  op  amps.  The  overall  gain  of  the  circuit  at  1 ,000Hz 
is  38dB.  RIAA  equalization  requires  a  gain  of  19.3dB  at  20Hz, 
and  attenuation  of  19.6dB  at  20,000Hz.  Open-loop  gain  of  U2 
and  U3  is  greater  than  100dB  at  20Hz,  and  60dB  at  20,000Hz. 
Closed-loop  gain  of  U,  is  22.5dB,  and  U2,  U3  is  16.6dB, 
ensuring  an  extensive  gain  margin  for  phase  accuracy.  Refer  to 
Table  3  for  complete  circuit  specifications. 


Output  Voltage  Slew  Rate 
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TABLE  3:  Passive  Multi-Filter  Circuit  Performance 


Common-Mode  Voltage  Limit 

±10V  Peak 

Max  Output  Level,  Balanced 

+30dBu/dBm 

Nominal  Output  Level,  Balanced 

+8dBu/dBm 

Output  Impedance,  Balanced 

70Q 

Gain  Control  Range,  Balanced           O.OdBu  to  10dBu/dBm 

Nominal  Output  Level,  Unbalanced 

-10dBu 

Max  Output  Level,  Unbalanced 

+24dBm 

Output  Impedance,  Unbalanced 

1.000Q 

Output  Voltage  Slew  Rate 

>6V/vis 

RIAA  Reproduction  Characteristic 

(20Hz  to  20kHz) 

±0.25dB 

RIAA/IEC  Reproduction  Characteristic 

(2Hz  to  20kHz) 

±0.5dB 

Wideband  Frequency  Response  (±1  .OdB) 

0.0Hz  to  70kHz 

Signal-to-Noise  Ratio  (20Hz  to  20kHz) 

>90dB 

THD  +  Noise 

(20Hz  to  20kHz  +8dBu,  Any  Output) 

0.01% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1) 

0.02% 

TABLE  4:  Uncomplicated  Passive  Circuit  Performance 
Sop.<vfjca'icvjs.„  .  v  , 


Commom-Mode  Voltage  Limit 

±10V  Peak 

Max  Output  Level,  Balanced 

+30dBu/dBm 

Nominal  Output  Level,  Balanced 

+8dBu/dBm 

Output  Impedance,  Balanced 

70Q 

Gain  Control  Range,  Balanced           O.OdBu  to  10dBu/dBm 

Nominal  Output  Level,  Unbalanced 

-10dBu 

Max  Output  Level,  Unbalanced 

+24dBu 

Output  Impedance,  Unbalanced 

1.000Q 

Output  Voltage  Slew  Rate 

>6V/uS 

RIAA  Reproduction  Characteristic 

(20Hz  to  20kHz) 

±0.5dB 

RIAA/IEC  Reproduction  Characteristic 

(2Hz  to  20kHz) 

±1.0dB 

Wideband  Frequency  Response  (±1  .OdB) 

0.0Hz  to  70kHz 

Signal-to-Noise  Ratio  (20Hz  to  20kHz) 

>90dB 

THD  +  Noise 

(20Hz  to  20kHz,  +8dBu,  Any  Output) 

0.01% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1) 

0.02% 

AN  ECONOMICAL  APPROACH 

An  Uncomplicated  Passive  RIAA/IEC  Preamplifier  is  shown  in 
Figure  3.  It  is  a  low  cost,  practical  design  for  a  passively 
equalized  RIAA/IEC  phono  preamplifier.  The  design  shown  is 
for  moving  magnet  (MM)  input.  It  also  is  an  extremely  low  noise 
input  circuit  design,  and  includes  both  unbalanced  consumer 
and  balanced  output  circuit  configurations.  The  input  circuit  also 
utilizes  the  SSM-2015,  and  provides  adjustable  resistive  and 
capacitive  input  loading.  Wide  bandwidth  stages  minimize  in- 
band  phase  shift,  and  provide  exceptional  phase  and  frequency 
response  accuracy.  Table  4  details  circuit  performance  data. 

SUMMARY 

For  a  phono  transducer  cartridge  to  deliver  the  performance  as 
intended,  it  should  be  loaded  with  proper  resistance  and  capaci- 
tance. The  MM  input  circuits  have  adjustable  transducer  load- 
ing Most  transducers  currently  available  will  be  accommodated 
with  resistive  loading  of  69kQ  or  47kQ,  and  capacitive  loading 
of  a  few  pF  (input  wiring  dependent)  to  350pF,  in  50pF  steps. 

If  greater  input  common-mode  noise  rejection  is  required,  it  can 
be  obtained  in  all  input  designs  by  increasing  the  value  of  the 
1 00Q  resistor  and  0. 1  nF  capacitor  connected  between  the  input 
RCA  jack  shield  connection  and  the  main  circuit  ground  point. 
The  values  shown  satisfy  most  requirements  for  1  meter  cables 
supplied  with  the  newer  tone  arms. 


All  circuits  described  are  signal  noninverting,  and  constructed 
with  bipolar  IC  amplifiers  for  lowest  noise.  They  are  compen- 
sated for  widest  bandwidth  and  circuit  stability. 

To  achieve  optimum  trouble-free  performance,  a  few  construc- 
tion and  manufacturing  tips  should  be  observed.  For  grounding 
to  be  truly  effective,  all  grounded  components  must  return  to  a 
single  point.  This  technique  is  effective  in  minimizing  ground 
current  loops  that  can  cause  excessive  noise,  signal  cross-talk, 
AC  power  line  noise,  and  circuit  instability,  and  permit  external 
noise  spikes  to  enter.  The  ground  center  should  be  as  close  to 
the  input  amplifier  (U,)  as  possible.  All  grounded  components 
of  U2,  U3,  U„,  U6,  the  output  jack  grounds,  and  the  power  supply 
ground  lead  should  be  tied  to  the  same  U,  ground  point. 

As  long  as  the  power  supply  leads  are  kept  short,  and  ade- 
quately filtered  and  bypassed  with  polyester  film  capacitor  at 
the  regulators,  there  is  no  need  for  individual  decoupling  capaci- 
tors at  U2,  U3,  U,,  and  U5.  The  power  supply  voltages  should  be 
regulated  for  ±18V0C. 

All  signal  filter  components  should  be  of  the  highest  quality,  i.e., 
metalized  polypropylene  or  polystyrene  film,  1%  tolerance  ca- 
pacitors (except  for  C5,  5%  tolerance  is  OK)  and  metal  film 
resistors,  1%  or  better  tolerance. 
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A  Two-Channel  Dynamic  Filter  Noise  Reduction  System 


In  this  application,  the  SSM-2120  Dynamic  Range  Processor 
and  SSM-2134  op  amp  are  utilized  in  a  dual-channel  dynamic 
noise  reduction  circuit,  where  the  input  signal  level  and  thresh- 
old control  determine  the  corner  frequency  of  a  low-pass  filter. 


The  SSM-21 20  contains  two  class  A  VCAs  (Voltage  Controlled 
Amplifiers)  that  are  used  as  the  filter's  control  element,  and  two 
wide  dynamic  range  full-wave  rectifiers  with  control  amplifiers. 
The  VCA  section  or  variable  resistor  is  a  current  device  con- 

i 


I  -O  OUTPUT 


.-O  OUTPUT 


FIGURE  1 :    Two-Channel  Dynamic  Filter  Noise  Reduction  System 
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trolled  by  the  +VC  voltage  control  ports.  The  VCAs  are  employed 
as  variable  resistor  elements  in  a  single-pole  low-pass  filter 
operating  in  a  virtual  ground  configuration.  The  level  detecting 
rectifier  is  a  full-wave  averaging  type  with  more  than  100dB 
dynamic  range,  followed  by  a  LOG  amp  converter.  The  part  also 
contains  two  operational  amplifiers  with  PNP  output  transistors 
used  to  drive  the  +VC  ports. 

U,  and  U2  (SSM-2134)  are  input  amplifiers  and  source-load 
isolating  buffers.  They  provide  a  choice  of  noninverting,  invert- 
ing, or  balanced  inputs.  Unbalanced  loading  is  10k£2  and  bal 
anced  loading  is  20ki2.  U,  and  U2  gain  is  set  at  OdB,  with  a  - 
1 0dBu  nominal  input  signal  recommended  using  ±1 8VDC  power 
supply  rails.  This  configuration  will  provide  an  overall  circuit 
headroom  of  more  than  30dB.  In  less  critical  applications,  the 
feedthrough  trim  controls  and  220kn  resistors  can  be  eliminated. 

DETAIL  CIRCUIT  DESCRIPTION  FOR  U7  (SSM-2120). 
AND  U3  and  U4 

The  rectifier  circuit  is  configured  to  provide  a  negative  control 
voltage  referenced  to  ground.  The  LOG  amplifier's  bias  is  set  by 
the  1.5M£2  resistor.  The  1.5MQ  resistor  also  provides  the 
discharge  path  for  the  1uF  rectifier  averaging  capacitor.  The 
discharge  time  constant  controls  the  low-pass  filter's  action 
toward  a  lower  corner  frequency.  The  LOG  amplifier  provides  a 
constant  current  charging  for  the  1uF  averaging  capacitor.  It 
results  in  an  attack  (return  to  flat  response)  time  constant  Tco  of 
approximately  6ms,  and  a  low-pass  filter  activation  TC1  of  350ms. 

The  internal  op  amp  of  U7  has  the  gain  VQ  set  at  47.  The  po- 
tentiometer at  the  inverting  input  provides  the  adjustable 
threshold  to  activate  the  filter.  The  threshold  adjustment  ranges 
from  -40dBu  to  OdBu  of  input  signal  level.  The  output  from  the 
op  amp  drive  transistor  supplies  only  a  negative  control  voltage 
to  the  VCA  (+V0)  control  port(s).  For  example,  with  the  filter 
threshold  control  adjusted  to  OdB  and  a -1  OdBu  signal  applied 
to  the  input,  f01  is  =4kHz;  or  with  -20dBu  applied,  f02  is  =1 .2kHz, 
both  rolling  off  at  6dB/Octave.  With  the  input  signal  level 
exceeding  the  filter  threshold  setting  (OV  VCA  control  voltage 
present),  the  overall  circuit  frequency  response  is  20Hz  to 
16kHz,  at  ±1dB. 

The  VCA  audio  input  current  is  limited  by  the  37.4M2  resistor. 
The  VCAs  operate  as  current  devices  whose  outputs  feed  the 
virtual  ground  of  an  amplifier  loop.  The  feedback  capacitor 
around  the  amplifier  loop  sets  up  a  single-pole  low-pass  filter. 


The  SSM-21 20  (U7)  inverts  the  signal  current;  therefore,  U5  and 
U6  are  required  to  invert  the  output  signal  that  is  summed  at  the 
input(s)  of  U?. 

The  design  is  an  effective  single-ended  noise  reduction  circuit 
with  low  distortion  and  noise.  When  utilized  on  a  noisy  signal 
source,  it  will  attenuate  high  frequency  noise  with  inconspicu- 
ous operation. 

TABLE  1 :  Circuit  Performance  Specifications 


Nominal  Input  Voltage  (-10dBu  Out) 


-10dBu 


Headroom  (-10dBu  Out) 


+30dBu 


Input  Voltage  Range 


Input  Type/Impedance,  Balanced 


-20dBu  to  +10dBu 

 i  


20k£2 


Input  Type/Impedance,  Unbalanced 


10k£l 


Dynamic  Noise  Reduction  Class 


Dynamic  Low-Pass 


Filter  Activate  Time  Constant  (6dB) 


350ms 


Threshold  Range  (Level) 


-40dBu  to  OdBu 


Filter  Deactivate  Time  Constant 


6ms 


Signal  Rectifier  Type 


Full  Wave  Averaging 


Modulation  Feedthrough,  Trimmed 


-100dB 


Frequency  Response  (20Hz  to  16kHz) 


±1dB 


Filter  Type,  Low-Pass 


Single  Pole,  6dB/Oct 


Input  10dB  Below  Threshold  Setting 

fc1  =  3,800Hz 

Input  20dB  Below  Threshold  Setting 

fC2  =  1, 400Hz 

Dynamic  Range 

@  OdB  Gain  (Ref.  +22dBu 

)  106dB 

THD  +  Noise  (20Hz  to  20kHz) 


0.02% 


IMD  (SMPTE  60Hz  &  4kHz,  4:1) 


0.05% 


Output  Voltage  (2kO  Load) 


+22dBu 


Output  Type 


Unbalanced 


Power  Supply 


±18VDC  Regulated 
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This  application  note  describes  a  dual  channel  unbalanced 
analog  audio  mute  switch,  for  use  in  audio  console  mute 
circuits.  The  SSM-2402  dual  audio  switch,  when  used  in  the 
virtual  ground  configuration,  truly  enhances  any  audio  mute 
design.  The  application,  as  shown  in  Figure  1,  incorporates 
unbalanced  stereo  input  buffers,  dual  stereo  electronic  virtual 
ground  switches  (with  simplified  control  circuit),  and  virtual 
ground  summing  amplifiers. 


CHANNEL  A  (L)  IN 
|-8dBu  NOMINAL) 


AUDIO  FROM 
VCA  OR  OTHER 
SIGNAL  SOURCE 


THE  AUDIO  SWITCH  AS  IMPLEMENTED 

The  design  utilizes  the  SSM-2402  (U,  and  U2)  dual  audio  switch 
in  a  virtual  ground  switching  configuration.  This  method  of 
operation  improves  linearity  over  a  wide  dynamic  range.  The 
SSM-2402  utilizes  JFET  switching,  with  internal  wide  band- 
width integrated  amplifiers  applied  in  a  unique  configuration. 
The  result  is  low  transient  intermodulation  distortion,  lowTHD, 
and  low  IMD,  while  essentially  eliminating  all  audio  switching 


,  CHANNEL  B 
(R)  OUT 


FIGURE  1 : 


Audio  Mixer  Channel  Mute  (On/Off)  Circuit  (Unbalanced  Design  with  Virtual  Ground  Switching) 
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transients.  The  SSM-2402  switch  closed  (ON)  resistance  is 
typically  60Q  in  series  with  RB  (1  Okfl).  As  shown  in  this  mixing 
system,  the  tolerance  of  the  60£J  contributes  to  less  channel 
imbalance  than  the  1%  resistor  tolerance,  thus  eliminating  the 
need  for  level  trim  adjustments. 

The  SSM-2402  employs  a  "T"  switching  configuration  that 
yields  superior  ON-OFF  signal  isolation.  In  the  OFF  state,  the 
"T"  configuration  of  the  SSM-2402  virtually  eliminates  leakage 
of  the  input  signal  (down  more  than  1 0OdB  at  1  kHz  with  guard 
pins  3, 5, 1 0  and  1 2  grounded)  onto  the  mixing  bus(es).  The  part 
also  features  a  7ms  ramped  turn  ON  and  4ms  ramped  turn  OFF, 
for  transient  free  audio  switching  even  with  signal  applied.  The 
switch  also  operates  with  a  break-before-make  switching  se- 
quence. These  properties  are  significant  when  many  remotely 
controlled  electronic  switches  are  connected  in  series  and 
controlled  by  a  single  device,  as  in  large  audio  systems  man- 
aged by  an  automation  computer. 

CONTROL  INTERFACE 

In  this  application  note,  the  bus  assignment  (selection)  switches 
are  shown  functionally  for  clarity.  The  control  ports  of  the  SSM- 
2402  can  easily  be  interfaced  to  conventional  5V  TTL  or  CMOS 
logic  control  circuits.  +5VD0  (logic  high)  closes  the  switch  (ON), 
and  0VDC  (logic  low)  opens  the  switch  (OFF).  The  common 
interface  levels  improve  the  reliability  and  serviceability  of  any 
products  it's  designed  into.  Diverse  logic  gate  control  designs  or 
computer  controlled  schemes  can  easily  be  implemented. 

DRIVE  REQUIREMENTS  -  THE  INPUT  CIRCUIT 

The  application  employs  two  SSM-2402  dual  audio  switches  in 
a  four-bus  configuration  (two  stereo  buses)  driven  by  U3,  U4and 
U5,  U6  bipolar  amplifiers.  The  buffer  amplifiers  are  signal  in- 
verting, with  their  gain  set  to  OdB  (Av  =  1 ).  The  input  amplifiers 
also  serve  as  source  signal  level  clippers  that  prevent  the  input 
signal  from  exceeding  the  input  range  of  the  switches,  thus 
preventing  the  switches  from  passing  a  distorted  signal  when 
overdriven  in  the  open  (OFF)  state.  A  nominal  input  drive  level 
of  -1  OdBu  is  applied  to  the  switch  and  will  maximize  the  signal- 
to-noise  ratio,  and  optimize  headroom.  The  output  of  U3,  U4,  U5, 
and  U6  are  AC  coupled  to  further  minimize  the  switching  tran- 
sient noise  caused  by  signal  path  DC  voltages  from  previous 
origins. 

The  virtual  ground  mixing  buses  are  current  driven  by  FtB 
(1 0.Okn)  resistors.  Once  again,  this  is  a  compromise  value  that 
can  be  changed  to  accommodate  the  extent  of  the  mixing  bus 
implemented.  A  greater  number  of  input  mixing  channels  will 
warrant  a  lower  bus  drive  current.  Although  other  values  can  be 
used,  the  resistance  values  of  RB  and  RF  should  be  the  same. 


As  shown  (±18VDC  power)  RB  will  apply  approximately  1.7mA 
peak  current  to  the  mixing  bus.  This  is  well  within  SSM-2402 
switching  capabilities,  as  well  as  the  SSM-2134  drive  capabili- 
ties. The  signal  current  is  low  enough  to  keep  return  ground 
currents  low  enough  to  prevent  crosstalk  resulting  from  the 
mechanical  wiring  constraints.  Returning  ground  currents  inde- 
pendently to  the  noninverting  input  of  the  summing  amplifier  is 
advised. 

THE  OUTPUT  SUMMING  AMPLIFIER 

The  design  utilizes  the  SSM-2134,  the  PMI  version  of  the 
popular  NE5534  bipolar  operational  amplifier.  The  circuit  fea- 
tures a  significant  reduction  in  summing  amplifier  noise,  a 
decrease  in  temperature  and  bus  impedance  effects  on  the 
static  output  voltage  as  a  result  of  using  a  bipolar  amplifier.  This 
design  also  balances  the  input  circuit  reflected  source  imped- 
ance of  the  bipolar  IC  amplifier,  alleviating  the  unity-gain  insta- 
bility and  eliminating  the  unbalanced  input  topology  for  inverting 
summing  designs  that  could  cause  output  offset. 

The  SSM-2134  has  a  noise  voltage  of  2.8nV/v^FTz,  thus  the 
noise  floor  is  reduced  by  3  to  1 0dB.  Additionally,  frequency  and 
phase  response  performance  have  been  improved.  Only  mini- 
mal compensation  is  required  in  the  feedback  loop  of  the  SSM- 
21 34  to  maintain  unconditional  stability.  The  slew  rate  remains 
greater  than  10V/us,  with  bandwidth  exceeding  50kHz. 

SUMMARY 

The  design  application  shown  in  Figure  1  is  signal  noninverting, 
and  utilizes  a  minimum  number  of  noise  generating  elements. 
The  circuit  configuration  produces  linear  signal  mixing  at  the 
virtual  ground  summing  node  (es  =  0VAC);  therefore,  no  re- 
flected interaction  occurs  between  the  input  sources.  The  signal 
input  to  any  output  frequency  response  is  typically  10Hz  to 
50kHz,  ±0.5dB.  Total  harmonic  distortion  plus  noise  will  meas- 
ure less  than  0.01%,  from  20Hz  to  20kHz.  SMPTE  intermodu- 
lation  distortion  is  less  than  0.02%.  With  prudent  printed  circuit 
board  design,  a  greater  than  1 0OdB  mute  isolation  @  1  kHz  can 
be  obtained. 

The  application  shown  employs  ±18VDC  power  supplies  to 
produce  a  +24dBu  audio  output  clip  level.  All  SSM  components 
will  operate  with  equal  reliability  at  ±20VDC,  producing  ap- 
proximately a  1dB  increase  in  clip  level.  If  the  extra  headroom 
is  necessary,  a  ±20VDC  power  supply  voltage  is  encouraged. 
The  noise  increase  will  be  indiscernible,  even  in  large  mixing 
systems. 
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pplication  applies  the  SSM-21 20  as  a  dual-channel  noise 
r  adjustable  threshold  downward  expander.  A  noise  gate 
is  a  type  of  noise  reduction  system  that  fully  attenuates  a  VCA 
when  no  audio  signal  is  present.  The  SSM-21 20  contains  two 
A  VCAs  (Voltage  Controlled  Amplifiers)  and  two  wide 


dynamic  range  full-wave  rectifiers  and  control  amplifiers.  The 
VCA  section  is  a  current  amplifier  device  whose  gain  is  con- 
trolled by  two  gain  ports  that  have  dB/V  scaling.  The  VCAs  are 
employed  as  wide  bandwidth  amplifiers  with  the  current  inputs 
and  outputs  operating  in  a  virtual  ground  configuration.  The  rec- 


 *EEVCC  J 

GND 


FIGURE  1 :    Two-Channel  Noise  Gate 


AUDIO  PRODUCTS  4-33 


tifiers  are  full-wave  averaging  type  with  1 0OdB  dynamic  range, 
fnllnweri  hu  I  Dfi  rnnvertprs  The  nartalsn  contains  twg  ooera- 
set  at  OdB,  and  with  a  -1  OdBu  nominal  input  signal  and  ±1 8VDC 
power,  will  provide  overall  circuit  headroom  of  30dB.  The 
VCA(s)  could  be  DC  coupled,  although  in  this  application  they 
are  AC  coupled  to  reduce  the  dependence  on  trimming  the  side 
chain  voltage  modulation  feedthrough.  In  critical  applications 
the  feedthrough  trim  controls  and  220kQ  resistors  should  be 
added. 

The  SSM-2120's  internal  rectifier  produces  a  negative  DC 
voltage  referenced  to  ground.  The  LOG  amplifier  bias  is  set  by 
the  1.5MQ  resistor.  The  1.5MQ  resistor  also  provides  the 
discharge  current  path  for  the  1  ^F  capacitor,  that  controls  the 
gate's  downward  expansion  time  constant.  The  LOG  amplifier 
provides  a  constant  current  capacitor  charging  value.  It  results 
in  an  attack  (return  OdB  gain)  time  constant  Tc  of  approximately 
6ms,  and  a  downward  expansion  Tc  of  350ms. 

The  internal  op  amp  gain  Av  is  set  at  47,  with  the  inverting  input 
also  providing  the  reference  voltage.  The  reference  voltage 
range  from  the  gate  threshold  control  allows  the  gating  to 
activate  at  any  source  signal  level  from  —40dBu  to  OdBu.  The 
output  from  the  op  amp  drive  transistor  supplies  a  negative 
control  voltage  to  the  VCA  (+VC)  control  port(s).  The  VCA(s) 
control  ports  have  a  sensitivity  of  6mV/dB.  As  shown,  the 
voltage  divider  provides  a  2:1  downward  expansion  slope. 
Below  the  threshold  level,  the  gain  slope  is  2dBQ/dB|N. 

The  VCAs  are  current  output  amplifiers  that  are  designed  to 
operate  with  virtual  ground  configurations  such  as  U3  and  U4. 
The  VCA  input  current  is  supplied  by  the  37.4kQ  resistor  and 
input  voltage  signal.  The  virtual  ground  amplifier  feedback 
resistors  are  37.4k£2.  With  no  VCA  control  voltage,  the  overall 


circuit  voltage  gain  is  1  (OdB).  Other  non-gating  gains  can  be 
BffinM  \\U^S^,8\i^{M}mers  feedback  resistor 


Headroom  (-10dBu  Out) 

+30dB 

input  i  ypc/ iiiipcuai lot;,  odidiiouu 

Unbalanced 

20kQ 
10kQ 

Downward  Expander  Class 

Feedthrough 

Threshold  Sense  Time  Constant  (6dB) 

350ms 

Threshold  Range  (Level) 

-40dBu  to  OdBu 

Gate  Deactivate  Time  Constant 

6ms 

Signal  Rectifier  Type 

Full-Wave  Averaging 

Modulation  Feedthrough,  Trimmed 

< -60dBV 

Gain  Reduction  Ratio, 
Downward  Expansion 

1  to  2  (-2dB/dB) 

Frequency  Response  (20Hz  to  20kHz) 

±0.25dB 

Dynamic  Range 

100dB 

THD  +  Noise  (20Hz  to  20kHz) 

0.02% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1) 

0.05% 

Output  Voltage  Slew  Rate 

6V/(iS 

Output  Voltage  (2kQ  Load) 

+22dBu 

Output  Type 

Unbalanced 

Power  Supply 

±  18VDC  Regulated 
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A  Precision  Sum  and  Difference  (Ai 


When  constructing  an  accurate  sum  and  difference  signal  from 
stereo  left  and  right  sources,  amplitude  and  phase  (delay) 
errors  can  contribute  substantial  amounts  of  crosstalk  in  the  re- 
constructed left  and  right  audio  channels.  A  minor  1dB  differ- 
ence, or  6°  phase  error,  will  result  in  only  25dB  stereo  channel 
separation.  The  design  presented  has  essentially  no  phase  or 
group  delay  in  the  sum  or  difference  outputs  as  measured  over 


t 

Circuit 

■  1 

the  audio  spectrum,  20Hz  to  20kHz.  This  circuit  utilizes  matched 
(lasertrimmed)  resistor  networks  combined  with  high  open-loop 
gain  differential  amplifiers  to  guarantee  virtually  no  phase  and 
amplitude  error  in  the  sum  and  difference  channels. 

Amplifiers  U3  and  U4  (SSM-2134)  are  utilized  as  input  signal 
buffers  that  provide  a  low  source  impedance  (0Q)  to  the  1 0kQ 
summing  resistors  that  feed  the  virtual  ground  current  summing 


•  MATCHED  RESISTOR  NETWORK  -  SEE  TEXT 
U„  U,.  -SSM-2015 
U„U„- SSM-2134 

u*-  -- 


FIGURE  1 :    Precision  Sum  and  Difference  (Audio  Matrix)  Circuit 
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nodes  of  U,  and  U2.  The  overall  gain  of  the  buffer  circuit  is  OdB. 
The  buffer  amplifiers,  U3  and  U4,  are  compensated  for  a  fre- 
quency response  that  extends  to  100kHz  at  +24dBu.  The 

>  for  lowest  phase 


U,  and  U2  (SSM-2015)  are  true  differential  input,  high  perform- 
ance bipolar  amplifiers.  The  current  summing  inputs  have  been 
employed  for  sum  and  difference  operations.  All  bipolar  and 
JFET  op  amps  exhibit  considerable  propagation  time  differ- 
ences between  inverting  and  noninverting  inputs,  which  result 
in  phase  and  group  delay  errors.  The  SSM-2015  was  selected 
because  this  device  has  practically  equal  propagation  time 
between  inverting  and  noninverting  inputs  (typically  less  than 
10ns  differential).  This  important  characteristic  produces  high 
accuracy  L  +  R  and  L -  R  signals.  Because  U,  and  U2  are  ultra- 
low  noise  audio  preamplifiers,  they  contribute  little  noise  and 
distortion  to  output  signals. 

U5  (OP-21 5GP)  is  a  dual  JFET  amplifier,  and  is  utilized  as  a  long 
time  constant  integrator,  or  DC  servo  amplifier.  The  nonin- 
verting input  is  referenced  to  ground  (0VDC)  and  will  hold  the 
output  terminals  of  U,  and  U2  at  0VDC.  Capacitor  (AC)  coupling 
is  not  recommended  as  it  would  allow  formation  of  envelope  and 
low  frequency  group  delay  distortion. 


CONSTRUCTION  REQUIREMENTS 

All  1 Okft  resistors  must  be  matched  within  0.05%  of  each  other, 
but  can  be  5%  in  value  tolerance.  The  0.1  uF  capacitor  in  the 
integrator  circuit  should  be  a  metalized  polyester  filn 
with  1 0%  tolerance.  ' 


TABLE  1 :  Circuit  Performance  Specifications 


Frequency  Response  (±  0.02dB) 

20Hz  to  20kHz 

Dynamic  Range  (20kHz  Bandwidth) 

104dB 

THD  +  Noise  (20Hz  to  20kHz,  +24dBu) 

0.007% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1 ,  +24dBu) 

0.015% 

Slew  Rate 

10V/us 

Nominal  Signal  Level 

-10dBu 

Maximum  Output  Voltage 

(2kO  Load)                                  +23.3dBu  or  1 1 .3VRMS 

Amplitude  Accuracy 

0.05% 

Differential  Error 

<10ns 
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A  Two-Band  Audio  Compressor/Limiter 


The  two-band  audio  compressor  amplifier  shown  in  Figure  1 
features  separate  and  adjustable  signal  compression  ratios  and 
threshold  levels.  This  design  employs  the  SSM-2120  Dynamic 
Range  Processor,  and  SSM-2134  low  noise  op  amps. 

The  design  features:  an  inverting  or  noninverting  input  buffer 
amplifier;  high-pass  and  low-pass  filters;  and  a  voltage-con- 
trolled amplifier  driven  by  a  log-average  level  detector  with  a 
full-wave  rectifier.  Additionally,  there  are  fully  adjustable  gain 
reduction  controls,  and  adjustable  compression  threshold  level 
controls.  Signal-to-noise  ratio  exceeds  100dB,  while  the  level 
detector  allows  the  compressor  to  operate  transparently 
throughout  the  audio  spectrum  without  interaction  between  high 
and  low  bands. 


■ 

The  circuit  includes  a  line  level  input  (-1  OdBu  to  OdBu  nominal) 
buffer  amplifier,  with  inverting  or  noninverting  inputs  that  have  I 
10kO  input  impedance.  The  buffer  also  limits  step-function  I 
slewing  voltages  from  entering  the  n 
input  source  from  the  high-p 

Both  high-pass  and  low-pass  filters  are  of  the  single-pole  type. 
This  filter  class  eliminates  combing  effects  in  the  stop  bands, 
and  compensates  for  compressor  artifacts  when  the  two  bands 
are  summed  back  together  in  the  output  amplifier  stage.  Such 
artifacts  include  the  compressor's  effect  on  the  amplitude  of 
each  independent  band,  and  the  filter's  effect  on  the  summing 
influence  has  been  taken  into  account  in  the  design. 


U,  -  SSM-2120 

U„  U,.U„U5,U6.U7- SSM-2134 


FIGURE  1 :  Two-Band  Audio  Compressor 
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wide-band  compressor  circuits  can  be  reduced.  The  SSM-21 20 
provides  a  dynamic  range  of  greater  than  100dB  over  the 
frequency  range  of  20Hz  to  20kHz  with  typically  less  than  0.02% 
THD  +  noise,  and  0.05%  IMD.  Figure  2  shows  THD+N  vs. 
frequency,  and  Figures  3  and  4  provide  compression  and  ratio 
characteristics. 

The  Compression  Threshold  control  (RT)  allows  the  compres- 
sor to  take  effect  from  -  30dBu  to  +20dBu  input  levels.  The 
SSM-21 20's  log-average  precision  rectifier  is  configured  as  a 
feedback-type  level  detector.  The  design  produces  consistent 
and  precise  compression  profile  of  the  input  signal  with  no 
threshold  level  or  compression  drift  over  time  and  temperature. 

The  SSM-21 20's  full-wave  log-averaging  rectifier  and  control 
amplifier  form  an  integrator  and  buffer  circuit  that  isolates  the 
low  impedance  VCA  control  port  from  the  integrator  timing 
circuit.  This  circuit  senses  the  VCA  output  level  and  modifies  its 
compression  profile  by  feeding  the  averaged  VCA  signal  plus 
the  compression  threshold  control  signal  back  into  the  VCA 
control  ports.  The  control  FtB  balances  the  threshold  amplitude 
between  the  two  bands  to  pre-establish  the  compressor  dy- 
namics. 


produces  a  positive  control  voltage. 


TABLE  1 :  Circuit  Performance  Specifications 


Input  Voltage  Range 

-10dBu  to  OdBu 

(Nominal  for  OdBu  Out) 

245mV  to  755mV 

Rectifier  Type 

Averaging 



Compressor  Amplifier  Class 

Feedback 

Attack  Time  (+1  OdB  or  Greater  Level  Change)  6ms 

Recovery  Rate 

1 .67dB/ms 

Feedthrough,  Trimmed 

-100dB 

Gain  Reduction  Range 

2  to  25 

Frequency  Response  (20Hz  to  20kHz) 

0.2dB 

Dynamic  Range  @  OdB  Gain 

100dB 

THD  +  Noise  (  20Hz  to  20kHz) 

0.02% 

IMD  (  SMPTE  60Hz  &  4kHz,  4:1 ) 

0.05% 

Output  Voltage  Slew  Rate 

6V/us 

Output  Voltage  (2k£2  Load) 

+22dBu  or  1 0VRMS 

HIIDIO  PRECISION    THMIC/J  «s  FREQ(H2) 


v. 


FIGURE  2:  THD+N  vs.  frequency  (VIN  =  2VRMS  .using  80kHz 
low  pass  filter) 


10.000 

o.o 

10.00 
20.00 


40.00 
50.00 

tQ'^0.0      -50.0      -40.0      -30.0      -20.0      -10.0  0.0 


FIGURE  4:  Ratio  characteristics  (2:1  to  25:1) 


FIGURE  3:  Compression  threshold  variance  characteristics 
(-30dButo+15dBu) 


- 
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APPLICATION  NOTE 


(Volume)  Control  Circuit 


The  dual-channel  voltage-controlled  amplifier  (VCA)  level  control 
circuit  describes  a  useful  application  of  the  SSM-2122  dual 
VCA,  SSM-21 34  low  noise  op  amp,  and  PMI's  OP-21 5BP  JFETV 
bipolar  op  amp.  This  circuit  is  very  handy  when  extremely  close 
gain  matching  of  a  stereo  audio  source  is  desired,  such  as  in 
ON-AIR  and  production  audio  consoles. 

The  design  features  a  balanced  input  buffer  amplifier  and  VCA 
driven  by  a  level  shifting  amplifier  which  is  controlled  by  a  single 
10kQ  linear  potentiometer.  Additionally,  there  are  fully  adjust- 
able and  independent  gain  limit  and  maximum  attenuation  trim 
controls.  The  VCA  circuit  has  a  nominal  attenuation  range 
greater  than  95dB  and  has  input  overdrive  protection.  The 
signal-to-noise  ratio  exceeds  100dB  with  a  gain  of  10dB,  and 
headroom  of  32dB.  The  amplitude  varies  less  than  +0. 1  dB  over 
the  frequency  range  20Hz  to  20kHz.  Typical  THD  and  IMD  are 
less  than  0.005%  and  0.02%,  respectively. 


As  shown,  the  circuit  includes  two  line-level  inputs  designed  for 
a-10dBu  input  signal  level.  The  SSM-21 34  (U2  and  U4)  input 
buffer  amplifiers  can  be  connected  for  balanced  or  unbalanced 
inputs  with  inverting  or  noninverting  inputs.  The  input  loading 
impedance  is  1 0kQ  unbalanced  and  20k£i  balanced.  The  input 
buffer  amplifier  also  limits  step  function  slewing  voltages  from 
entering  following  stages.  Other  input  levels  can  be  accommo- 
dated by  adjusting  the  feedback  resistor  RF2.  For  example:  for 
a  nominal  input  level  of  OdBu,  RF2  should  be  changed  to  3.1 6kQ, 
or  for  a  nominal  input  level  of  +10dBu,  RF2  changed  to  1k£2  to 
provide  the  optimal  current  drive  to  the  VCA.  CF  should  also  be 
changed  to  68pF  and  220pF,  respectively,  for  both  U2  and  U3. 

For  other  input  levels,  RF2can  be  calculated: 
RF2  =  10x1C 


FEED-THROUGH 
NULL 
-WV  0-15V 


Rfk 


U,  -OP-215 

U2,U3,U4,U5-  SSM-21 34 
U6- SSM-2122 


FIGURE  1 :  Two-Channel  VCA  Level  Control 
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The  SSM-2122  has  a  current-in  and  current-out  structure.  The 
input  current  is  set  by  resistor  R,  and  the  virtual  ground  input  of 
the  SSM-2122.  Similarly  the  transimpedance  amplifier  at  the 
output  converts  the  output  current  into  a  voltage.  All  devices  in 
this  design  operate  on  ±1 5 VDC  power  supply  rails.  The  37.4k£2 
VCA  input  and  output  resistors  optimize  its  dynamic  range  and 
minimize  distortion.  The  SSM-2122  is  a  monolithic  device,  so 
the  VCA  gains  remain  uniform  over  a  wide  change  in  ambient 
temperature. 

The  SSM-21 22  has  two  gain  control  ports  that  have  a  sensitivity 
of  -6mV/dB,  0.0  volts  at  the  gain  control  ports  will  yield  OdB 
overall  gain;  +60mV  produces  +10dB  gain  and  -0.513V  corre- 
sponds to  a  -85dB  attenuation.  The  feedthrough  trim  null 
controls  RFN  are  not  imperative  for  most  applications.  However, 
for  very  high  performance  requirements  they  will  reduce  attenu- 
ation control  voltage  feedthrough  to  less  than  750uV.  To  adjust 
the  null  trim  controls  RFN,  inject  a  100Hz  sinewave  into  the 
control  port  through  a  1  k£l  resistor  and  a  1 0OuF,  1 0V  capacitor, 
and  set  the  signal  generator  to  0.5  VRMS.  The  control  ports  of  U6 
are  pins  3  and13.  Adjust  the  level  control  RCTL  (fader)  for  OdB 
gain,  with  the  signal  inputs  shorted,  then  adjust  RFN  for  minimum 
100Hz  signal  at  the  outputs. 

The  output  amplifier(s)  U4  and  U5are  virtual  ground  connected 
current-to-voltage  converters.  The  37,4ki2  feedback  resistors 
set  the  circuit  voltage  gain  to  OdB  with  zero  volts  applied  to  the 
VCA  control  ports.  Variable  resistor  RBAL  is  used  to  balance  the 
signal  path  gain  of  the  two  audio  circuits.  With  the  circuit  gain 
set  to  OdB  and  a  test  signal  applied  to  the  inputs,  RBAL  is  ad- 
justed for  equal  output  levels. 

The  VCA  provides  10dB  of  additional  gain  at  maximum  level 
setting  (+60mV  at  the  VCA  control  ports).  The  THD  is  extremely 
low  within  the  characteristic  gain  range  of  +10dB  to  -20dB. 

The  VCA  control  circuit  is  designed  around  U,,  the  high  input 
impedance  OP-215  dual  op  amp.  One  half  of  U,  is  used  to 
develop  the  5V  reference  voltage  for  the  level  control  element. 


This  is  a  fail-safe  design  -  with  no  voltage  applied  or  an  open 
connection  at  terminal  VCTL,  the  gain  will  descend  to  -85dB. 
Level  control  trimming  is  as  follows:  with  the  fader  control  set  to 
minimum  (0V),  the  trim  control  R_g5  is  adjusted  for  maximum 
attenuation  of -85dB  or -0.51 3VDC  at  pin  1  ofUr  Then  with  the 
fader  set  to  its  maximum  (5V),  trim  control  R+10  is  adjusted  for 
maximum  circuit  gain  of  +10dB  or  +60mV.  Since  there  is  no 
interaction  when  adjusting  R+10  for  +10dB  gain,  the  setting  for 
R_g5  will  remain  unaffected.  Other  max-attenuation  values  can 


as  an  attenuation  range  of  -45dB(270mV)  to  - 


TABLE  1 :  Circuit  Performance  Specifications 


Input  Voltage 

(Nominal  for -10dBu  Out) 

1 0dBu  or  245mVRMS 

Input  Impedance,  Unbalanced 

10k£2 

Imput  Impedance,  Balanced 

20k£J 

Headroom  (Nominal  for-10dBu  In  &Out) 

32dB 

Feedthrough,  Trimmed 

<750uV 

Gain  Control  Range  (Nominal) 

+10dB  to-85dB 

Gain  Control  Voltage  (+10dB  to  -85dB) 

5VDCtoOVDC 

Frequency  Response  (20Hz  to  20kHz) 

±0.1  dB 

S/N  Ratio  @  10dB  Gain 

100dB 

THD  +  Noise  (20Hz  to  20kHz,  +22dBu) 

0.005% 

IMD  (SMPTE  60Hz  &  4kHz,  4:1 ,  +22dBu) 

0.02% 

Output  Voltage  Slew  Rate 

6V/us 

Output  Voltage  (1kSl  Load) 

+22dBu  or10VRMS 

Output  Impedance 

<1 0Q 

■ 
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ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  i 

A  High-Performance  Compandor 
for  Wireless  Audio  Systems 

Wireless  audio  systems  are  finding  increasing  use  in  live  challenge:  how  to  maintain  adequate  audio  performance  in  view 
performances,  as  well  as  in  communications  equipment  where  of  power  supply  and  current  consumption  limitations.  To  reduce 
mobility  is  required.  Designing  such  systems  presents  a  difficult     transmission  noise,  the  audio  signal  is  usually  compressed  at 

PREAMPLIFIER  100i!  2-2^F 

AND  VCA  |— vW  1(  1 

5V  _l_ 


'  


i 
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FEEDTHROUGH 
TRIM 

vcc  o-vyv-o  vEE 

*  soko 
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SSM-2120  POWER  AND  GND  CONNECTIONS 
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»eeO  H' 
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U,  U2-SSM-2134 
U3- SSM-2120 
vcc  =  +9VDc 
VEE=-9V„C 
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LIMITER  CONTROL 


CIRCUIT 
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FIGURE  1 :  Compressor-Limiter  Circuit  for  Transmitter 


AUDIO  PRODUCTS  4-41 


UUHl.ll  ly   LI  16  OOivi    i_  i  Ljy  MCtll  MO  iiunyv  I    I  Uk/GOOUl  ,   VVI  IIOI  I  UGI  " 

mits  considerable  improvement  over  other  techniques  in  terms 
of  noise,  distortion,  feedthrough,  and  other  key  audio  criteria. 

Transmitters  are  battery  powered  and,  hence,  pose  the  most 
severe  constraints  on  supply  voltages  and  current  consump- 
tion. Receivers  are  often  AC  powered,  so  bipolar  supplies  are 
more  easily  accommodated.  Since  the  SSM-21 20  requires  split 
supplies,  a  voltage  doubler  circuit  is  necessary  for  the  transmit- 
ter. In  some  cases,  this  may  be  considered  unfeasible.  In  this 
event,  however,  the  SSM-21 20  is  still  very  useful  in  the  receiver 
expander  circuit  to  complement  any  compressed  signal,  and  to 
improve  overall  system  performance.  As  a  result,  the  compres- 
sor and  expander  sections  of  this  application  can  be  considered 
independently. 


THE  TRANSMITTER  COMPRESSOR  AND  LIMITER 
CIRCUITS 

COMPRESSOR 

The  design  described  is  intended  for  ±9VDC  battery  operation, 
and  includes  a  third-order  high-pass  filter  for  the  elimination  of 
subsonic  noise  and  low  frequency  pops  that  would  cause 
compandor  overload  or  mistracking. 

Figure  1  shows  the  connection  of  the  SSM-21 20  (U3)  VCAr 
rectifier,  and  control  amplifier  as  a  compressor.  The  VCA  is 
connected  in  the  feedback  loop  of  the  preamplifier  U,  to  control 
the  gain.  The  compressor  is  designed  for  a  2:1  compression 
characteristic.  If  the  input  rises  6dB,  the  output  level  will  rise 
only  3dB.  The  gain  compression  expression  is: 

O  ^2  *  ^4 

reduction  ratio  =   ~  ~ — 

H1  *  H3 

as  long  as  the  rectifier  input  currents  are  limited  by  R5,  R6  (1  OkH) 
,  and  the  rectifier  has  a  =»10u.A  reference  current.  The  SSM- 
21 20  rectifier  and  VCA  have  a  dynamic  range  in  excess  of 
100dB,  resulting  in  exceptional  tracking  of  the  expander/com- 
pressor in  the  compandor  system.  High  quality  capacitors  and 
resistors  should  be  used  to  support  the  accuracy  of  the  SSM- 
21 20  elements.  The  small-signal  averaging  time  for  a  10uF 
integration  capacitor  is  25ms.  The  attack  time  to  3dB  of  final 
value  is  also  about  26ms  and  is  almost  independent  of  signal 
level  increases  for  level  changes  in  excess  of +1  OdB.  The  decay 
rate  is  3ms  per  dB.  The  high-pass  filter  keeps  frequencies  below 
90Hz  from  the  input  of  the  rectifier,  reducing  the  low  frequency 
distortion  caused  by  the  VCA  control  circuit. 

DC  and  high-frequency  feedback  are  provided  for  U,  without 
sacrificing  bandwidth  or  stability.  The  gain  control  is  adjusted  for 
OdBu  output  with  -50dBu  applied  to  the  microphone  input 
terminals.  The  VCA  is  signal  inverting.  Its  output  current  is 
summed,  along  with  the  microphone  signal  current,  at  the 
(virtual  ground)  noninverting  input  of  preamplifier  SSM-21 34, 
Ur  The  10kQ  resistor  at  the  input  of  the  VCA  limits  the  input 
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current,  all  pins  of  the  unused  VCA  should  be  returned  to 
ground.  The  FEEDTHROUGH  trim  control  is  optional,  and  it  can 
be  used  to  minimize  the  VCA  control  voltage  from  feeding 
through  to  the  output. 

PROTECTION  LIMITER 

The  limiter  uses  the  second  rectifier  and  control  amplifier  for 
separate  and  independent  attack  and  decay  times,  along  with  a 
steeper  gain  reduction  slope.  The  limiter  threshold  control  sets 
the  predetermined  gain  limiting  point  for  high  input  signal  levels. 
The  gain  reduction  ratio  is  4.6:1  as  shown  in  Figure  1 .  Typically, 
the  onset  of  gain  limiting  should  be  set  to  +1  OdBu  at  the  output. 

As  in  the  compressor  control  circuit,  the  rectifier  input  current  is 
limited  by  R6,  10kQ,  and  the  rectifier  referenced  to  =10u,A  as 
well.  Lower  precision  capacitors  and  resistors  can  be  used 
here.  Similar  to  the  compressor,  the  attack  time  is  much  faster 
than  the  decay. 

The  VCA/Preamplifier  was  designed  as  a  system.  The  VCA  was 
put  in  the  signal  feedback  loop  of  the  preamplifier  principally  to 
prevent  preamplifier  overload,  while  keeping  the  overall  noise 
low,  and  minimizing  component  count. 

POWER  SUPPLY 

The  application  circuit  requires  two  power  supply  voltages, 
±9VDC.  The  power  consumption,  for  the  circuit  shown  in  Figure 
1,  is  less  than  15mA  from  each  supply.  The  design  described 
will  operate  properly  with  good  dynamic  range  as  the  battery 
voltage  begins  to  fall  below  the  nominal  9VDC.  It  is  assumed  that 
two  9  volt  batteries  would  be  used,  but  for  the  smaller  hand-held 
wireless  microphones,  a  single  9  volt  battery  would  be  required. 
Figure  2  depicts  aDC-to-DC  converter  that  will  supply  the 


'EE  <-9VDC) 


CKT  GND 


FIGURE  2:  DC-to-DC  Converter  for  +9Vnn  to  -9Vnr,  at 
15mA 


The  converter  circuit  incorporates  an  astable  oscillator  running 
at  25kHz.  It  is  followed  by  a  capacitor-coupled  level  shifter  and 
rectifier  with  a  filter.  A  SE/NE555  timer  is  used  in  the  "output 
sink"  mode  for  maximum  efficiency,  and  longest  battery  life. 

THE  RECEIVER  EXPANDER  SECTION 
EXPANDER  CONTROL 

In  Figure  3,  the  control  connection  of  the  SSM-2120  (U3)  VCA, 
rectifier,  and  control  amplifier  is  shown.  The  control  circuit 
connection  to  the  VCA  produces  a  1 :2  gain  expansion  curve.  If 
the  input  rises  3dB,  the  output  level  will  rise  6dB.  The  gain 
expansion  ratio  expression  is: 


Gain 


expansion  ratio 


V*4 


The  rectifier  input  current  is  limited  by  a  10k£2  resistor  con- 
nected to  pin  9  of  U3,  and  the  rectifier  is  biased  at  1 0jiA  current 
through  a  1.5M£2  resistor  connected  to  V£E.  The  SSM-2120 
rectifier  and  VCA  each  have  a  1 0OdB  dynamic  range,  resulting 
in  accurate  tracking  of  the  compressor. 

As  with  the  compressor/limiter  circuit,  the  small-signal  averag- 
ing time  for  a  1 0u-F  integration  capacitor  is  26ms.  The  attack 
time  to  3dB  of  final  value  is  also  about  26ms  and  is  almost 
independent  of  signal  level  increases  for  level  changes  in 
excess  of  +10dB.  The  decay  rate  is  3ms  per  dB. 


The  control  circuit  gain  values,  as  shown  above,  provide  a 
control  voltage  to  the  VCA  section  +VC  control  port  [U3,  pin  5(1 9)], 
which  result  in  a  1:2  signal  expansion  characteristic.  The 
LEVEL  control  sets  the  initial  overall  gain  value,  and  is  adjust- 
able from-10dBto  +20dB. 

EXPANDER  AUDIO 

Input  amplifier  U,  is  a  buffer  between  the  input  signal  source 
(FM  wireless  receiver),  the  expander  rectifier/control  circuit, 
and  the  VCA  audio  signal  input.  If  the  signal  source  output 
impedance  is  below  100Q,  can  be  omitted.  The  nominal 
source  signal  level  should  be  -1  OdBu.  If  signal  gain  or  loss  is 
required,  U1  gain  structure  should  be  modified  to  provide  - 
10dBu  to  the  VCA  input  current  limiting  resistor.  The  37.4kH 
resistor  ahead  of  the  VCA  input  [pin  8,(16)]  limits  peak  signal 
currents  to  avoid  VCA  distortion.  The  VCA  signal  input(s)  are 
virtual  ground  current  inputs.  The  150k£2  resistor  connected  to 
Vcc  and  pin  1 0  of  U3  sets  the  VCA  input/output  current  compli- 
ance range.  A  VCA  input  shunting  capacitor  shown  from  U3  pin 
8(1 6)  to  ground  minimizes  signal  distortion  and  keeps  the  VCA 
stable  by  providing  a  high-frequency  path  to  ground.  The  exact 
value  is  determined  empirically.  The  output  of  the  VCA  feeds  a 
virtual  ground  output  amplifier,  U2.  The  overall  audio  path  is 
signal  noninverting,  since  the  VCA  is  signal  noninverting,  and  is 
combined  with  two  inverting  amplifiers  U,,  and  U2. 
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3:   Expander  Circuit  for  Receiver  Processor 
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TABLE  1:  Circuit  Performance  Specifications  


Compressor/Llmlter  (Figure  1) 

Input  Voltage  Range 

(Nominal  for  OdBu  Out)                         -65dBu  to  -40dBu 

Compressor/Limiter  Rectifier  Type 

Averaging 

Compressor  Amplifier  Class 

Feedback 

Compressor  Attack  Time  (to  3dB  of  Final  Value) 

26ms 

Compressor  Recovery  Rate 

3ms/dB 

Feedthrough  (Trimmed) 

-70dBV 

Compressor  Gain  Reduction  Ratio 

2:1 

Limiter  Attack  Time  (to  3dB  of  Final  Value) 

13ms 

Limiter  Recovery  Rate 

1.5ms/dB 

Limiter  Gain  Reduction  Ratio 

4.6  to  1 

High-Pass  Filer,  Fc 

90Hz 

High-Pass  Filter  Type                       3rd  Order  Butterworth 

Frequency  Response  (90Hz  to  20kHz) 

±0.5dB 

S/N  Ratio  @  OdB  Gain 

100dB 

THD  +  Noise  (%  1kHz  to  20kHz) 

0.05 

IMD  (%  SMPTE  60Hz  &  4kHz,  4:1) 

0.05 

Output  Voltage  Slew  Rate 

6V/U.S 

Power  Supply,  (Battery) 

±9Voc 

Output  Voltage  (2k£J  Load,  ±9VDC 

+15dBu 

Expander  (Figure  3) 

Input  Voltage  Range  (Nominal  for  OdBu  Out) 

-10dBu 

Expander  Rectifier  Type 

Averaging 

Expander  Amplifier  Class                  Control  Feed-Forward 

Expander  Attach  Time  (to  3dB  of  Final  Value) 

26ms 

Expander  Recovery  Rate 

3ms/dB 

Feedthrough  (Trimmed) 

-70dBV 

Gain  Expander  Ratio 

1:2 

Frequency  Response  (20Hz  to  20kHz) 

±1.0dB 

S/N  Ratio  @  OdB  Gain  (Dynamic  Range) 

100dB 

THD  +  Noise  (%  1kHz  to  20kHz) 

0.20% 

IMD  (%  SMPTE  60Hz  %  4kHz,  4:1 ) 

0.25% 

Output  Voltage  Slew  Rate 

6V/u.s 

Power  Supply 

±15VDC 

Output  Voltage  (2k£i  Load) 

+21dBu 

AC  coupling  is  not  necessary  but  recommended.  When  the  AC 
coupling  is  combined  with  feedthrough  trimming,  most  of  the 
unwanted  sub-audible  signals  will  be  removed  from  the  output 
signal.  The  unused  portion  of  U3  (SSM-2120)  can  be  utilized  in 
an  identical  second  channel  expander.  The  supply  voltage 
should  be  held  at  ±1 5VDC  to  ±1 8VDC,  to  provide  good  dynamic 
range  and  circuit  stability. 

: 
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An  Automatic  Microphone  Mixer 


This  application  note  describes  an  audio-signal  activated  mi- 
crophone mixer,  as  shown,  designed  to  accommodate  eight 
input  channels.  The  SSM-2120  Dynamic  Range  Processor  is 
the  nucleus  of  this  design.  The  device  includes  two  VCAs  and 
two  rectifier  and  control  amplifier  circuits.  The  application  is 
designed  for  unattended  microphone  mixing  functions,  as  would 
be  used  in  a  conference  room  that  required  sound  reinforce- 
ment or  conversation  recording.  The  circuit  provides  automatic 
and  transparent  channel  ON/OFF  operation.  The  audio  output 
automatically  turns  ON  in  less  than  1 0ms  and  back  OFF  after  2 
to  4  seconds  of  no  audio.  Each  channel  incorporates  independ- 
ent and  automatic  operation,  with  ON  threshold  sensitivity  and 
level  adjustment  (trim)  controls. 

THE  MICROPHONE  PREAMPLIFIER  CIRCUIT 

For  optimum  circuit  performance,  the  nominal  output  level  from 
the  microphone  preamplifier  or  other  audio  source(s)  should  be 
-1  OdBu.  The  -1  OdBu  level  allows  the  SSM-21 20  to  provide  the 
widest  dynamic  range  and  lowest  noise,  while  optimizing  the 
headroom  of  the  automatic  switch  and  the  microphone  pream- 
plifier. 

THE  AUDIO  SWITCH 

Each  audio  signal  is  switched  ON  and  OFF  by  a  VCA  (voltage 
controlled  amplifier)  element.  By  controlling  the  turn-ON  and 
turn-OFF  ramp  time,  the  VCA  produces  transient-free  switch- 
ing. No  distortion  or  "pops"  are  introduced  using  this  technique. 
The  turn-ON  is  ramped  from  a  maximum  of  90dB  to  OdB 
attenuation  in  approximately  30ms.  With  the  complete  removal 
of  the  audio,  the  turn-OFF  ramp  of  =100ms  will  begin  after 
approximately  three  (3)  seconds. 

The  VCA's  input  is  a  current  input,  virtual  ground  node.  The 
design  shown  in  Figure  1  assumes  that  ±15VDC  will  power  the 
system.  With  this  supply  voltage,  the  37.4kQ  input  resistor(s) 
will  keep  the  VCA  operating  at  the  optimum  distortion  and 
dynamic  range.  The  1 50kO  resistor  connected  from  Vcc  (+1 5VDC) 
to  the  reference  current  pin  10  of  the  2120,  sets  the  VCA  bias 
operating  point.  The  VCA's  current  output  is  then  connected  to 
a  voltage  by  a  transimpedance  amplifier  using  a  low  noise  SSM- 
21 34  op  amp.  The  VCA  input(s)  and  output(s)  are  capacitively 
coupled  to  remove  DC  components  from  previous  stages. 

THE  CONTROL  CIRCUIT 

The  input  signal  is  rectified  and  averaged  before  it  is  filtered  by 
the  integrator  capacitor  (10uF  electrolytic).  The  small  signal 
averaging  time  constant  with  this  capacitor  is  approximately 
60ms.  The  attack  time  is  30ms  to  3dB  of  the  final  level,  and  is 
nearly  independent  of  the  magnitude  of  level  increase.  The 
discharge  time  is  controlled  by  the  3.3MS2  resistor  returned  to 
VEE  (-15VDC),  which  also  sets  the  rectifier  reference  current. 

The  control  circuit  amplifier  has  a  voltage  gain  of  217.  The 
inverting  input  is  used  to  set  the  ON/OFF  threshold  point,  too, 
and  allows  for  the  ON  Threshold  level  adjustment.  The  ON 
Threshold  range  is  adjustable  from  -40dBu  to  OdBu  as  refer- 


enced to  the  input  of  the  VCA  element.  The  control  port  +Vc  of 
the  VCA  is  used  so  that  a  negative  control  voltage  applied  will 
produce  an  attenuation  effect.  R4  (221  a)  and  R5  (4.64kU)  at-  h^^^h 
tenuate  the  control  voltage  by  a  factor  of  22,  resulting  in  a 
maximum  attenuation  value  of  90dB  with  no  audio  signal  pres- 
ent. 

To  minimize  the  effect  of  ON/OFF  control  voltage  appearing  in 
the  output  signal  of  the  VCA,  the  Feedthrough  null  control  circuit 
is  recommended.  It  provides  an  external  method  for  balancing 
the  internal  VCA  currents  and  component  values. 

THE  OUTPUT  SECTION 

The  design  incorporates  a  virtual  ground  current  summing  bus, 
that  is  fed  by  the  individual  mixing  channel  level  control(s)  and 
1 0.Oka  resistor(s).  The  Level  control(s)  provides  21  dB  attenu- 
ation range  (OdB  to  -21  dB),  and  is  designed  to  balance  the 
different  inputs,  but  not  turn  them  off  fully.  The  1 00kf2  (linear 
taper)  level  control(s),  for  a  linear  rotation  produces  a  logarith- 
mic attenuation  curve. 

The  virtual  ground  summing  amplifier  establishes  half  of  the 
balanced  output  circuit,  with  another  inverting  amplifier  com- 
pleting the  balanced  output  circuit.  The  circuit  is  able  to  drive 
600Q  loads  to  +24dBm  levels  with  low  distortion  and  high 
reliability. 


TABLE  1:  Circuit  Performance  Specifications  


Input  Voltage,  without  Preamplifier, 

(for  +4dBu  Out) 

-10dB 

Input  Impedance,  Unbalanced 

-1kQ 

Headroom  (Nominal  for -1  OdBu  In  and  Out)  32dB 

Turn  ON  Time  (to  3dB  of  Final  Value) 

30ms 

Turn  OFF  Time  (No  Signal) 

-3sec 

Turn  OFF  Ramp  Time 

100ms 

Feedthrough  (Trimmed) 

>1mV 

ON/OFF  Threshold  Range  (Nominal) 

OdBu  to  -40dBu 

ON/OFF  Gain  Extent 

OdB  to  -90dB 

Frequency  Response  for  ±0.1dB 

20Hz  to  20kHz 

S/N  Ratio  @  OdB  Gain 

11  OdB 

THD  +  Noise  (from  20Hz  to  20kHz) 

0.005% 

IMD  (SMPTE  60Hz  and  4kHz,  4:1) 

0.02% 

Output  Voltage  Slew  Rate 

12V/nS 

Rated  Output  Level  (600Q  Load) 

+24dBu 

Output  Impedance 

68Q 

Output  Type 

Balanced 

Power  Supply  Requirements 

±15VDC  Regulated 
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FIGURE  1:  Automatic  Channel  Activation  Microphone  Mixer  Diagram  Illustrates  8  Input  Channels 
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i: 


The  Morgan  Compressor/Limiter 


The  following  application  was  written  by  Michael  Morgan,  a 
consultant  to  PMI  with  extensive  experience  in  the  design  of 
professional  audio  equipment,  including  high-performance 
dynamic  range  processors.  While  currently  a  freelance  consult- 
ant, Mr.  Morgan  spent  nine  years  at  Valley  International  as  a 
principal  designer  of  their  products. 

This  application  note  describes  the  configuration  of  a  low  cost, 
high  quality  compressor  with  variable  attack  time  and  ratio 
control  using  the  SSM-2110  Level  Detector  and  SSM-2014 
VCA.  The  discussion  begins  with  an  overview  of  compressor/ 
limiter  fundamentals,  and  is  followed  by  a  description  of  the 
unique  attributes  of  the  integrated  circuits  and  their  implications 
for  the  design  engineer. 

COMPRESSOR/LIMITER  FUNDAMENTALS 

The  function  of  the  audio  compressor  is,  of  course,  to  compress 
the  dynamic  range  of  the  processed  audio  signal  by  altering  the 
gain  of  its  signal  path  in  response  to  the  relative  level  of  the 
signal  as  compared  to  an  arbitrary  setpoint  called  the  threshold, 
thus  adding  gain  to  low-level  signals  and  reducing  gain  in  the 
presence  of  high-level  signals. 

An  audio  compressor  consists  primarily  of  two  functional  sec- 
tions, one  of  which  derives  a  control  signal  by  measuring  and 
otherwise  manipulating  the  audio  signal  to  produce  a  voltage 
suitable  for  the  second  functional  section,  which  is  the  gain 
control  element.  The  gain  control  element  is  a  device  which  can 
alter  its  attenuation,  gain,  or  resistance  in  response  to  an  exter- 
nal signal,  such  as  a  voltage  or  current. 

The  audio  compressor  differs  from  a  similar  device,  called  a 
limiter,  in  that  a  compressor  exhibits  a  rotation  point  which  is 
independent  of  its  threshold  setting.  The  rotation  point  is  the 
locus  on  a  graph  of  the  compressor's  transfer  function  at  which 
the  gain  control  element  exhibits  unity  gain,  and  through  which 
all  lines  derived  from  data  describing  the  device's  output  level 
as  a  function  of  input  level  will  pass.  A  limiter,  in  the  purest 
sense,  adds  no  gain  and  has  no  rotation  point. 

The  compressor's  ratio  is  defined  as  the  increase  in  input  level, 
in  decibels,  above  the  threshold  which  will  result  in  an  increase 
of  output  level  equal  to  1dB,  and  is  a  function  of  control  circuitry 
gain.  For  example,  each  increase  of  1dB  in  signal  level  above 
the  threshold  may  cause  a  corresponding  decrease  in  gain 
equal  to  1  dB,  thus  keeping  the  output  level  constant  for  a  ratio 
of  infinity :1 ,  or  it  may  cause  a  1/2  dB  decrease  in  gain,  thus 
allowing  the  output  level  to  rise  at  a  ratio  of  2:1 .  A  compressor 
may  have  a  very  high  ratio,  and  conversely,  a  limiter  may  have 
a  very  low  ratio. 


• 

SHAPING  THE  RESPONSE 

Figures  1  aand  1  b  illustrate  thetransferfunction  of  an  ideal  com- 
pressor as  the  ratio  is  varied  with  a  fixed  threshold,  and  as  the 
threshold  is  varied  with  a  fixed  ratio,  respectively.  Note  that  in 
both  cases,  the  rotation  point  is  easily  identified  at  OdB.  Note 
also  that  the  compressor  operates  as  a  limiter  when  the  thresh- 
old is  equal  to,  or  higherthan,  the  rotation  point.  For  this  reason, 
the  device  described  in  this  application  note  may  be  considered 
as  a  "compressor/limiter,"  but  because  it  possesses  a  rotation 
point,  we  shall  refer  to  the  device  as  a  compressor. 
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FIGURE  1a:  Output  vs.  Input  Transfer  Function  of  an  Ideal 
Compressor 
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FIGURE  1b:  Output  vs.  Input  Transfer  Function  of  an  Ideal 
Compressor  Having  a  Fixed  Ratio  Showing  the  Effect  of 
Threshold 
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Audio  compressors  use  two  types  of  circuit  topologies.  In  a 
feedback,  or  closed-loop  configuration,  the  control  signal  is 
derived  by  measuring  the  output  level  of  the  gain  control  ele- 
ment. In  a  feedforward,  or  open-loop  configuration,  the  control 
signal  is  derived  by  measuring  the  level  of  audio  present  at  the 
input  of  the  gain  control  device.  Each  topology  has  its  typical 
advantages  and  disadvantages.  The  most  common  type  of 
audio  compressor  uses  the  feedback  topology.  Among  its 
advantages  are:  low  parts  cost;  ease  of  configuration;  ability  to 
use  simple,  "linear"  control  circuitry  and  gain  control  elements. 
The  disadvantages  of  the  feedback  topology  are  numerous: 
inability  to  realize  continuously  variable  parameters  accurately; 
heavy  dependence  upon  circuit  trimming  to  assure  consistency 
in  performance  from  unit  to  unit;  tendency  toward  overshoot  in 
either  control  signal  or  processed  signal;  virtual  inability  to  con- 
figure circuitry  for  performing  arbitrary  dynamic  functions,  such 
as  program  control  of  release  times,  equalized  sidechain  func- 
tions, and  interactive  processing  having  more  than  one  control 
function  per  gain  control  element. 

The  feedforward  topology  has  long  been  considered  by  equip- 
ment designers  to  be  the  more  versatile  method  of  configuring 
audio  dynamics  processors.  Among  its  advantages  are:  precise 
control  of  dynamics;  ability  to  accurately  and  continuously  vary 
processor  parameters,  such  as  ratio  and  attack-and-release 
time  constants;  easy  circuit  trimming  for  unit-to-unit  consis- 
tency; possibility  to  realize  arbitrary  types  of  dynamics  altera- 
tion; ease  in  configuration  of  interactive  processing  schemes 
using  multiple  control  signals  to  operate  a  single  gain  control 
element;  and  relative  freedom  from  control  and  signal  over- 
shoot. The  disadvantages  of  feedforward  topology  have  tradi- 
tionally been:  dependence  upon  relatively  expensive  and  little 
understood  logarithmic  circuitry  in  configuration;  difficulty  in 
sourcing  high-quality,  low  cost  log/linear  multipliers  (dB/volt 
VCAs);  dependence  upon  expensive  log/RMS  detection 
schemes  to  achieve  the  required  accuracy  for  wide  range  of 
control. 

By  using  integrated  building  blocks,  feedforward  control  tech- 
nology can  be  realized  by  equipment  designers  by  virtue  of  their 
ease  of  application  and  low  cost.  These  readily  available  inte- 
grated circuits  deliver  performance  equal  to  or  surpassing 
complicated  discrete  circuits,  and  are  more  cost  effective  for 
general  use  by  equipment  manufacturers. 

THE  SSM-2110  MONOLITHIC  LEVEL  DETECTOR 

The  SSM-2110  level  detector  IC  represents  a  significant  ad- 
vancement in  low  cost,  high  quality  converter  circuitry.  The 
device  greatly  simplifies  the  design  of  feedforward  dynamic 
processors  since  it  produces  an  accurate  output  that  is  propor- 
tional to  the  log  of  the  absolute  value  of  its  input,  and  the  log  of 
the  rms  value  of  its  input,  in  addition  to  the  corresponding  linear 
values.  Such  versatility  is  unique  among  detector/converter 
configurations. 


VARIABLE  TIME  INTEGRATOR 

In  this  application,  the  SSM-2110  is  used  in  the  design  of  a 
feedforward  compressor.  The  log  of  the  absolute  value  of  the 
input  signal  is  extracted,  then  integrated  by  a  E/l  x  C  circuit 
which  corresponds  roughly  to  an  RC  network  in  the  linear 
domain  (see  Figure  2). 


LOGAVOUT 


FIGURE  2:  Simplified  Schematic  of  a  Variable  Time  Con- 
stant Log  of  Average  Integrator  Using  the  SSM-2110 


The  product  of  this  operation  is  not,  as  one  would  expect,  the  av- 
erage of  the  log  of  the  absolute  input  value.  During  the  integra- 
tion process  achieved  by  charging  the  integrator  capacitor,  C, 
the  charging  current  is  proportional  to  the  antilog  of  the  voltage 
appearing  at  the  base  of  Qv  Since  the  voltage  at  the  base  of 
represents  the  log  of  the  absolute  value  of  the  input,  the  log  and 
anti-log  terms  cancel,  thus  leaving  C  to  charge  as  a  linear  inte- 
grator with  a  current  proportional  to  the  absolute  value  of  the 
input  until  the  voltage  across  C  approaches  the  voltage  at  the 
emitter  of  Qr  In  this  manner,  the  order  of  the  logging  and 
averaging  operations  are  reversed.  This  is  a  very  important 
phenomenon  which  directly  influences  the  audibility  of  the  com- 
pression process,  and  will  be  discussed  at  length  later. 

The  integration  time  of  the  circuit  in  Figure  2  is  varied  by  chang- 
ing the  current  through  the  collector  of  Qr  This  is  accomplished 
by  means  of  the  multiplier  circuit  consisting  of  the  operational 
amplifier,  transistors  Q2  and  Q3,  and  their  associated  resistors. 

Current  lREF  is  forced  to  flow  through  the  collector  of  Q2.  The 
Vbe  of  Q2  is  thus  made  to  be  proportional  to  the  log  of  lREF  by 
virtue  of  the  silicon  transistor's  intrinsic  logarithmic  property, 
idealized  in  the  equation: 

Vb8  =  kT/q  x  ln(lc/ls)  where 

k  =  Boltzman's  constant  (1.38  x  10"23J/K) 

T  =  Temperature  in  Kelvins 

q  =  Charge  on  an  electron  (1.60  x  10"19C) 

lc  =  Collector  current 

ls  -  Reverse  saturation  current  (extrapolated  as  V6e  0) 
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When  transistors  Q2  and  Q3  are  closely  matched,  Vbe  of  Q2, 
which  appears  also  at  Q3's  emitter,  causes  a  current  equal  to  lc 
of  Q2  to  flow  through  the  collector  of  Q3.  This  transistor  collector 
current,  lREp  may  be  used  to  charge  or  discharge  a  capacitor, 
to  cause  a  voltage  drop  across  a  resistor,  or  may  be  converted 
to  a  voltage  at  the  output  of  an  operational  amplifier.  The  collec- 
tor current  of  Q3  may  be  varied  by  applying  a  voltage  at  the 
bases  of  Q2  or  Q3,  or  both  bases  simultaneously.  As  a  rule  of 
thumb,  at  25°C,  each  60mV  change  in  Vb  will  cause  a  corre- 
sponding ten-fold  change  in  Q3's  lc.  By  using  the  "shorthand"  log 
relationship  for  gain  in  which  a  ten-fold  change  in  voltage  (or 
current)  equals  20dB,  we  can  say  that  the  collector  current  of  Q3 
can  be  made  to  vary  antilogarithmically  at  a  rate  of  1  dB/3mV 
(20dB/60mV).  In  effect,  the  circuit  generates  a  voltage  at  the 
emitter  of  Q2  which  corresponds  to  the  log  of  the  input  current, 
lREF,  adds  the  control  voltage,  then  generates  a  current  at  the 
collector  of  Q3  which  is  proportional  to  the  antilog  of  the  sum. 
Thus  the  portion  of  the  circuit  formed  by  the  operational  ampli- 
fier, Q2,  Q3,  and  their  associated  passive  components  form  a 
two-quadrant  multiplier  whose  output  is  a  high  compliance 
current  sink. 

A  positive  voltage  applied  to  the  base  of  Q2  will  cause  a  corre- 
sponding decrease  in  Q3's  collector  current,  while  a  positive 
voltage  applied  to  the  base  of  Q3  has  the  opposite  effect,  caus- 
ing an  increase  in  lc  of  Q3.  Both  bases  may  be  controlled  by 
bipolar  voltages,  but  lREF  must  flow  in  the  direction  indicated  by 
conventional  current  flow  through  the  transistors  (must  be 
sourced  from  a  voltage  more  positive  than  the  noninverting  input 
of  the  operational  amplifier  for  NPN  transistors). 

In  operation,  varying  the  current  which  discharges  C  also 
causes  a  varying  offset  voltage  at  the  collector  of  Q3  which 
equals  the  change  in  Vb,  and  must  be  compensated  for  in  order 
to  derive  a  useful  control  voltage.  Figure  3  shows  the  response 
to  a  +10  volt  pulse  input  having  a  repetition  frequency  of  ap- 
proximately 4  pps  and  a  duty  cycle  of  50%.  Note  that  the  X-axis 
corresponds  also  to  increasing  integration  time  (decreasing  I 


of  Q3).  The  illustration  is  a  composite  of  several  sampled  wave- 
forms, thus,  scalar  references  in  the  X-axis  are  valid  only  for 
each  pulse. 

As  can  be  seen  in  Figure  3,  in  the  log  average  detection  mode, 
the  response  of  the  device  to  large  level  changes  is  relatively 
fast,  while  the  last  50  to  1 00m  V  of  change  occurs  at  the  charac- 
teristic integration  time  determined  by  the  status  of  the  charge 
on  the  capacitor,  C,  as  it  is  discharged  by  the  collector  current 
of  Q3.  As  the  voltage  across  C  approaches  the  voltage  at  the 
emitter  of  Q, ,  the  transistor  behaves  less  as  an  antilog  element, 
and  more  as  a  linear  resistance  proportional  to  Vbe/IREF. 

These  attributes  determine  the  detector  circuit's  response  to 
complex  waveforms,  and  directly  affect  the  audibility  of  the  com- 
pression process.  Considerthe  following  explanation:  Humans 
respond  to  changes  in  audio  signal  level  by  perceiving  volume 
as  being  proportional  to  the  log  of  the  acoustic  power  emitted  by  I 
a  source,  thus  the  human  listener  perceives  a  source  emitting  ' 
10  watts  of  "sound,"  (if  the  reader  will  permit  such  simplifica- 
tions) to  be  roughly  twice  as  loud  as  the  same  source  emitting 
only  1  watt.  This  implies  that  one  should  be  able  to  control  audio 
levels  logarithmically  for  a  natural  "sound"  in  the  processed 
output.  That  is  generally  the  case,  but  the  principle  does  not 
extend,  in  a  strict  sense,  to  the  control  of  a  compressor. 

If  one  accepts  the  premise  that  the  most  common  uses  of  the 
audio  compressor  are  to  enhance  the  "loudness"  of  the  proc- 
essed material,  or  to  "level"  the  apparent  volume  of  the  proc- 
essed material,  one  should  be  aware  of  the  effect  of  waveform 
complexity  upon  perceived  loudness.  A  simple  example  is  found 
in  the  case  of  a  musician  playing  an  instrument:  when  called 
upon  to  perform  a  solo,  in  order  to  "stand  out"  from  the  back- 
ground music,  the  instrumentalist  produces  more  complex 
sounds,  in  addition  to  producing  sounds  at  a  higher  relative 
level.  The  increase  in  complexity  provides  a  psychoacoustic 
"cue"  which  translates  to  the  human  listener  as  increased  per- 
ceived loudness. 
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FIGURE  3:  Output  Voltage  Response  of  the  Variable  Time  Constant  Log  of  Average  Integrator  to  a  LF  Square  Wave  Input 
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During  the  compression  process,  if  the  detector  circuitry  pro- 
duces a  signal  which  calls  for  more  gain  reduction  in  response 
to  the  added  harmonics  in  a  sound  which  cause  an  increase  in 
complexity,  the  gain  control  element  will  comply,  thus  making  a 
solo  instrumental  exit  the  compressor  at  a  lower  level,  foiling  the 
intent  of  the  performer.  This  is  precisely  what  happens  when 
using  RMS  detection  -the  detector  circuit  (correctly)  assesses 
the  increased  complexity  as  an  increase  in  sound  energy,  and 
calls  for  gain  reduction. 

The  log  averaging  detector  is  relatively  insensitive  to  increases 
in  waveform  complexity,  and  "ignores"  the  loudness  cue  thus 
provided.  As  a  result,  a  complex  waveform  exits  the  compressor 
at  a  slightly  higher  level  than  it  would  if  under  the  control  of  an 
rms  detector.  This  rather  unique  "quirk"  found  in  the  log  averag- 
ing process  allows  a  solo  instrumental  or  vocal  to  stand  out  in 
the  processed  signal,  thus  preserving  the  intent  of  the  per- 
former. 

As  a  log  averaging  detector,  the  SSM-21 1 0  exhibits  remarkably 
little  departure  from  an  idealized  log  curve  representing  its  input 
level  throughout  the  entire  range  of  the  adjustable  integration 
time,  and  offers  superior  performance  to  the  equipment  de- 
signer in  this  type  of  application.  In  addition,  at  higher  input 
levels,  the  device  does  not  compress  the  waveform  at  its  output, 
thus  under-reading  the  input  value.  In  fact,  the  detector  exhibits 
a  gentle  and  quite  predictable  deviation  from  log  conformity  at 
high  input  current  levels  which  results  in  the  addition  of  a  linear 
errorterm.  This  causes  a  slight  over-reading  of  the  input,  and  is 
quite  useful  for  aficionados  of  "soft  knee"  limiting.  It  is  unlikely 
that  any  real  compressor  design  would  require  so  wide  a  range 
of  operation  that  this  deviation  might  pose  a  problem  (>  60  dB), 
but  since  the  error  term  is  so  predictable  and  consistent,  it  can 
easily  be  corrected  elsewhere  in  the  control  circuitry  if  neces- 
sary. 

THE  COMPRESSOR  CONTROL  CIRCUIT 

Figure  4  illustrates  a  compressor  control  circuit  incorporating 
the  SSM-21 10  as  the  detector  element.  Because  the  tempera- 
ture compensation  characteristics  of  the  log  recovery  amplifier 
are  not  required  in  this  application  (control  of  a  VCA  having  a 
complementary  control  sensitivity  temperature  coefficient)  and 
to  eliminate  trimming  of  scale  factor  on  a  unit  by  unit  basis,  the 
log  recovery  amplifier  is  disabled  by  connecting  its  inputs  to  the 
IC's  VREF  output.  This  step  is  necessary  for  proper  operation  of 
the  IC  when  the  log  recovery  amplifier  is  not  used.  The  log 
recovery  transistor  is  not  used  since  offset  is  not  a  real  concern 
in  this  circuit  configuration. 

The  amplifier  in  the  audio  signal  path,  A,,  should  be  of  a  high 
quality,  low  noise  type  such  as  the  SSM-21 34.  The  remaining 
amplifiers  may  be  general  purpose  types,  preferably  having 
FET  input  stages  to  minimize  the  effects  of  input  bias  currents 
on  the  accuracy  of  the  multiplier  circuits. 

Amplifier  A2,  and  the  SSM-2210  matched  transistor  pair  Q1a/ 
Q,  b  form  the  voltage-controlled  current  sink  for  the  variable  log 
averaging  integrator.  Amplifier  A4  boosts  the  output  of  the  inte- 
gratorto  a  usable  level  by  increasing  the  nominal  6mV/dB  scale 
factor  of  the  signal  at  pin  2  to  1  V/20dB,  or  1 V  per  decade.  An 


offset  corresponding  to  the  change  in  voltage  at  pin  2  which 
results  from  varying  the  integration  time  is  applied  via  R12. 
Variable  resistor  VR2  allows  the  adjustment  of  the  compressor's 
rotation  point,  or  that  input  level  at  which  the  output  of  A4  will 
be  0V. 

A  pair  of  matching  two-quadrant  multipliers,  which  are  config- 
ured using  amplifiers  A„  and  A_  along  with  a  four-transistor 
array  Q2  (MAT-04),  allow  adjustment  of  the  compressor's  ratio 
and  adds  sufficient  gain  as  a  function  of  both  the  threshold 
setting  from  VR4  and  Ag,  and  the  ratio,  as  determined  by  VR3 
and  Ag,  to  maintain  the  compressor's  rotation  point.  Amplifier  A7 
converts  the  current  output  of  the  ratio  multiplier  from  Q2b  into 
a  voltage  which  charges  the  holding  capacitor  C8  via  Q3a  to  a 
voltage  corresponding  to  the  amount  of  gain  reduction  required 
of  the  VCA.  Amplifier  A12  converts  the  current  output  of  the 
maintenance  gain  multiplier  from  Q,c  into  a  voltage  correspond- 
ing to  the  quiescent  gain  required  for  the  VCA  to  maintain  the 
compressor  rotation  point,  and  adds  or  reduces  gain  at  the  VCA 
in  response  to  the  output  gain  control  VR?. 

The  release  current  sink  is  formed  by  amplifier  A10,  and  two 
sections  of  monolithic  transistor  array  Q3.  Compensation  for 
Vbe  of  Q3a,  and  for  the  quiescent  change  of  voltage  across  C8 
caused  by  varying  the  release  current  through  Q3c  are  applied 
via  R31  to  A7. 

Amplifier  Ag  and  diode  D3  form  a  precision  half-wave  rectifier 
whose  output  is  a  positive  voltage  equal  to  the  gain  reduction 
signal.  This  point  may  also  source  a  gain  reduction  indicator 
with  intrinsic  scaling  of  +1  V  =  -20dB.  Since  metering  is  a  matter 
of  preference  for  the  design  engineer,  no  attempt  has  been 
made  to  include  a  gain  reduction  indicator  as  part  of  this  circuit 
discussion. 

Since  it  is  possible  for  the  inputs  of  both  A6  and  Ae  to  be  nega- 
tive voltages,  it  is  wise  to  include  germanium  diodes  D,  and  D2 
to  prevent  forward  conduction  of  the  internal  base  to  emitter  pro- 
tective diodes  in  the  MAT-04,  thus  eliminating  the  possibility  of 
reverse  leakage  coupling  between  the  multipliers.  The  exis- 
tence of  these  diodes  also  prevents  application  of  the  MAT-04 
as  the  charging  transdiode  Q3a,  since  a  voltage  more  negative 
than  that  across  C8  will  frequently  be  present  at  the  emitter  of 

Amplifier  A,  3  outputs  the  algebraic  sum  of  the  various  gain  con- 
trol signals  for  application  to  the  compressor  VCA  section  which 
will  be  described  next. 

Selection  of  the  internal  scale  factor  at  1  V/decade,  and  inclu- 
sion of  the  -7.5V  "math  rail"  are  arbitrary  choices  made  by  the 
author  in  order  to  accommodate  the  use  of  the  variable  integra- 
tor, and  to  skew  the  control  markings  on  the  front  panel  controls, 
indicated  by  the  enclosed  names  associated  with  those  variable 
resistor  potentiometers.  Placing  the  rotation  point,  as  deter- 
mined by  R„,  atthe  nominal  operating  line  level,  e.g.,+4dB,  etc., 
minimizes  the  effects  of  errors  caused  by  the  uncompensated 
temperature  coefficient  of  the  ratio  multiplier,  and  any  minor 
deviations  in  log  conformity  inherent  in  the  detector  circuitry  or 
VCA  sections  of  the  compressor. 
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NOTES: 

ALL  VARIABLE  RESISTORS  ARE  TRIMS,  EXCEPT  PANEL 
CONTROLS  WHICH  ARE  INDICATED  BY  A  FUNCTION  BOX 
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FIGURE  5:  VCA,  Math  Rail  Regulator  and  Line  Driver  Schematic 


THE  VCA  SECTION 

Figure  5  shows  the  VCA  section  of  the  compressor  using  the 
SSM-201 4.  The  device  is  configured  as  an  "outboard  OVCE"  in 
accordance  with  the  literature  supplied  with  the  IC.  Amplifiers 
A14,  A15,  A16,  and  A17  should  be  high  quality,  low  noise  op  amps 
such  as  the  SSM-2134.  A14  and  A16  provide  the  necessary 
feedback  and  output  buffers  for  this  particular  circuit.  Resistive 
voltage  divider  R45/R46  reduces  the  OVCE  control  port  sensitiv- 
ity to  +1V/20dB  attenuation  to  match  the  scale  factor  of  the 


control  circuitry.  Variable  resistor  VR8  is  adjusted  for  lowest 
distortion  products,  preferrably  at  unity  gain  with  a  high  level 
input.  VRg  is  adjusted  by  applying  a  low  frequency  (<50Hz)  signal 
at  about  2Vp-p  to  pin  11,  and  setting  for  least  low  frequency 
output  at  A, 5  under  a  no-input  signal  or  shorted-input  condition. 
The  stability  of  both  these  trims  will  be  a  welcomed  surprise  to 
the  designer  used  to  dealing  with  log/antilog  VCAs. 

A  "quasi-balanced"  line  driver,  consisting  of  A16,  A17,  and  their 
associated  passive  components,  completes  the  compressor 
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circuitry.  The  unit  is  capable  ot  driving  a  600£i  load  at  a  sus- 
tained output  level  of  +21dBm,  and  has  a  maximum  output  of 
+26dBm. 

The  SSM-2014  provides  the  designer  a  degree  of  flexibility  in 
configuration  which  is  not  easily  available  using  other  VCA 
topologies.  Chief  among  its  attributes  is  the  ability  to  select  the 
operating  bias  current  by  applying  current  to  a  single  port  on  the 
chip.  This  allows  the  user  to  select  an  operating  point  which  is 
optimized  for  best  noise  performance  vs.  distortion  for  a  given 
application. 

In  considering  the  normal  operation  of  the  compressor,  the  most 
common  scenario  is  that  the  unit  is  used  to  "track"  instruments 
or  vocals.  Of  secondary,  but  no  less  important,  concern  is  use 
for  compressing  mixed  program  material  to  enhance  apparent 
loudness.  In  both  applications,  the  trade-off  between  the  resid- 
ual noise  floor  and  distortion  at  high-signal  levels,  both  a  func- 
tion of  operating  bias,  is  somewhat  arbitrary.  Since  it  is  likely 
that  the  dynamic  distortion  inherent  in  the  compression  process 
in  normal  operation  would  be  at  least  equally  as  noticeable  as 
moderate  distortion  at  high-signal  levels,  the  "intermediate"  bias 
setting  as  described  in  the  literature  accompanying  the  device 
was  chosen.  This  places  the  device  bias  at  approximately 
300u.A,  with  a  value  of  43kO  for  R44.  As  a  result,  the  noise  floor 
for  the  VCA  circuit  is  -84dB  (ref.  0.775VRMS)  in  a  20  kHz  band- 
width at  OdB  gain.  The  1  kHzTHD+Noise  measurements  yielded 
figures  consistent  with  the  published  data,  and  SMPTE  IMD 
measurements  disclosed  worst-case  distortion  products  in  the 
0.2%  range,  which  is  acceptable  in  all  but  the  most  critical  ap- 
plications. Should  the  designer  wish  to  implement  the  sliding 
bias  scheme,  as  described  SSM-201 4  data  sheet,  the  output  of 
the  absolute  value  at  pin  1  of  the  SSM-21 1 0  (see  Figure  4),  or 
the  rms  computing  loop  (pin  5)  may  be  used  to  drive  a  compara- 
tor with  the  appropriate  time  constants  in  order  to  switch  to  class 
A  operation  in  the  presence  of  high  level  inputs.  In  practice,  this 
makes  little  difference  in  the  transparency  of  the  compressor  in 
normal  operation.  Listening  tests  of  the  compressor  demon- 
strated the  smooth,  precise  control  expected  of  the  feedforward 
circuit  topology.  As  the  attack  time  (integration  time)  control  is 
advanced  from  fast  to  slow  settings,  the  low  frequency  content 
in  mixed  material  becomes  more  solid  and  better  defined,  but 
the  tendency  to  "squash"  the  lows  is  relatively  absent  at  faster 
attack  times  as  compared  to  other  compressors  having  adjust- 
able attack  times  with  comparable  settings. 

The  log  averaging  detector  scheme  really  shines  on  vocals  and 
horns,  bringing  a  soloist  "up-front"  with  moderate  attack  times. 
This  is  a  noticeable  difference  when  compared  to  any  RMS-type 
compressor  used  for  comparison  in  the  listening  tests. 

ADJUSTING  FOR  BEST  PERFORMANCE 

As  in  any  compressor  or  limiter  whose  ratio  must  be  trimmed  in 
its  initial  setup  (see  Figure  4,  VR5),  the  unit  is  sensitive  to  incor- 
rect adjustment.  One  of  the  most  distressing  sounds  which  can 
be  produced  by  a  compressor  is  "over-compression,"  in  which 
the  control  circuitry  causes  too  much  gain  reduction  at  high 
ratios.  For  this  reason,  the  compressor  ratio  trim  should  be  set 
with  the  Threshold  control  at  OdB  (0V  at  the  wiper  of  VR4),  and 
with  an  input  of  +20dB,  the  trim  should  be  adjusted  so  that  with 


the  Attack,  Release,  and  Output  gain  controls  centered,  the 
maximum  Ratio  setting,  fully  clockwise,  produces  an  output 
level  equal  to  or  slightly  greater  than  the  rotation  point. 

When  laying  out  circuitry  using  the  SSM-2014  and  SSM-21 10, 
care  should  be  taken  to  keep  traces  to  virtual  grounds  as  short 
as  possible,  and  a  single  point  audio  ground  should  be  used. 
The  control  ground  should  connect  to  the  audio  ground  at  one 
point,  pin  4  of  the  SSM-21 10,  and  supply  traces  should  be 
heavily  decoupled  with  high  quality  capacitors.  Traces  carrying 
audio  signal  should  be  kept  well  away  from  control  circuitry,  and 
the  detector  IC  and  VCA  should  be  located  away  from  heat 
sources  such  as  regulators  or  power  supply  transformers. 

Since  all  parameter  control  is  derived  from  DC  levels  produced 
by  the  front  panel  controls,  high  quality  potentiometers  need  not 
be  used.  All  the  front  panel  control  scales  may  be  marked  in 
equal  intervals,  and  follow  the  antilog  law,  i.e.,  equal  spacing 
per  dB  of  gain  orthreshold  setting,  equal  spacing  per  decade  of 
attack  and  release  times,  etc.  The  sole  exception  is  the  ratio 
control,  whose  scale  is  skewed  so  that  2:1  appears  near  the 
middle  of  the  control,  as  one  normally  would  expect  of  a  tradi- 
tional feedback  compressor. 

The  compressor  control  circuit  described  in  this  application  note 
was  configured  using  only  four  quad  op  amps  in  addition  to  the 
SSM-21 10  and  three  matched  transistor  arrays.  By  providing 
the  basic  building  blocks  for  an  audio  dynamic  range  processor 
in  monolithic  form,  the  SSM  audio  chip  set  greatly  simplifies  the 
implementation  of  an  otherwise  complex  processor. 


MEASURED  PERFORMANCE: 


SMPTE  IMD  @  Unity  Gain,  OdBv  in 

0.009% 

SMPTE  IMD  @  Unity  Gain,  +20dBv  in 

0.11% 

SMPTE  IMD  @  20dB  Gain  Reduction,  OdBv  in 

0.06% 

SMPTE  IMD  @  20dB  Gain  Reduction,  +20dBv  in  0.025% 

Residual  Noise  and  Hum  @  Unity  Gain,  20kHz  BW  -84dBv 

Maximum  Output  Level  into  600£1,  Balanced 

+21dBm 

Maximum  Input  Level  Before  Clipping 

+21dBv 

Usable  Dynamic  Range,  Unweighted  in  20kHz  BW  103dB 

Threshold  Range  Ref.  Rotation  Point 

-40  to  +20dB 

Useful  Range  of  Rotation  on  Point  Adj. 

-10  to  +4dBv 

Nominal  Attack  (Integration)  Time  Range 

0.02  to  200ms 

Nominal  Range  of  Ratio  Adjustment 

1.3:1  to  20:1 

Range  of  Release  Time  Adjustment             0.05  to  5s/20dB 

Range  of  Output  Gain  Adjustment 

-20  to  +20dB 

NOTE:  OdBv  refers  to  0.775  V, 
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An  Ultra  Low  Noise  Preamplifier 

■ 

by  M.  Jachowski 


Achieving  the  maximum  usable  dynamic  range  from  low  output 
level  transducers  such  as  audio  microphones,  magnetic  pick- 
ups, or  low  impedance  strain  gauges  requires  a  preamplifier 
with  very  low  input-referred  voltage  noise.  The  circuit  shown  in 
Figure  1  has  extremely  low  noise,  0.5nV/-/Hz,  and  can  provide 
a  gain  of  1 000  over  a  200kHz  bandwidth. 

This  amplifier's  low  noise  characteristics  are  attributable  to  the 
SSM-2220's  matched  PNP  transistor  pair.  Operating  with  2mA 
collector  current  in  each  transistor,  the  SSM-2220  forms  a 
differential  input  stage  with  a  DC  gain  of  385,  approximately 
50nV  of  offset  voltage,  and  only  0.5nV/"/fiz  of  broadband  noise. 
When  multiplied  by  the  stage  gain  of  385,  the  input  noise  of  the 
SSM-2220  appears  as  1 92.5nV/-/Rz  differentially  at  the  inputs 
of  the  OP-27.  This  makes  the  3.8nV/vTHz  of  the  op  amp  an 
insignifi-cant  contribution  to  the  overall  noise  of  the  circuit.  In 
this  example,  the  input  stage  compensation,  C,  and  R7,  opti- 
mizes noise  performance  over  the  audio  frequency  range  by 
allowing  the  differential  pair  to  have  a  flat  frequency  response 
to  20kHz  before  being  rolled-off  for  stability  criteria.  Input  stage 
gain  is  reduced  20dB  from  20kHz  to  200kHz  and  then  remains 
constant  until  the  SSM-2220's  gain-bandwidth  limit  is  reached 


at  about  8MHz.  This  compensation  ensures  the  preamplifier's 
stability  for  gains  from  100  to  over  2000.  Gain  is  set  with 
resistors  R5  and  R6  where  AVCL  =  1  +  R5/R6.  To  limit  the  thermal 
noise  contributed  by  the  feedback  loop  impedance,  R6  should 
be  no  more  than  1 0£2  (a  1 Ofi  resistor  creates  about  0.4nV/\/Rz 
at  +25°C). 

The  input  stage  current,  4mA,  is  established  by  the  current 
source  of  Q2,  R, ,  and  a  GaAsP  LED.  The  LED  is  used  as  a  1 .6 V 
"zener"  whose  temperature  coefficient  is  nearly  identical  to  that 
of  Q2's  base-emitter  junction.  This  produces  a  temperature 
stable  1 V  drop  across  R,  forcing  4mA  to  flow  from  Q2's  collector. 
The  4mA  splits  to  2mA  in  each  side  of  the  differential  pair.  With 
hfe  =  1 50  in  the  SSM-2220,  input  bias  current  will  be  about  1 3uA. 
Because  the  bias  current  is  relatively  large,  the  offset  voltage 
created  as  it  flows  through  unbalanced  source  impedances  will 
quickly  surpass  the  differential  pair's  offset,  making  necessary 
the  offset  trim,  R8.  Low  source  impedances  will  reduce  the  offset 
drift  as  h)e  changes  over  temperature. 

A  low  source  impedance  is  also  critical  to  maintain  a  low  overall 
input  noise.  The  0.5nV/  VHz  noise  of  the  SSM-2220  input  is 
equivalent  to  the  thermal  noise  of  a  150  resistor  at  +25°C. 


FIGURE  1 :  This  ultra  low  noise  preamplifier  shines  new  light  on  high-gain,  low  noise  applications  such  as  microphones, 
thermocouples,  strain  gauges,  and  magnetic  pick-ups. 
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Therefore,  any  transducer  with  a  sourcing  impedance  greater 
than  1 5£J  will  produce  a  noise  which  dominates  that  of  the 
preamplifier.  Figure  2  shows  the  total  output  noise  of  the 
preamplifier  driven  through  a  10£2  source  impedance.  The 
analyzer  displays  total  RMS  noise  voltage  measured  in  a 
0.03Hz  bandwidth.  The  average  broadband  measurement  is 
roughly  0.1 3uV  on  the  vertical  scale.  Divided  by  the  amplifier's 
closed-loop  gain  of  1000,  this  corresponds  to  0.1 3nV  at  the 
preamp  input,  or  expressed  in  nV/  Hz, 

en=    °-13nV  =0.75nV/\/Hz 
V 5.03Hz 

Taking  into  account  the  noise  of  two  1 0CI  source  resistors,  the 
noise  attributable  to  the  SSM-2220  is  then, 

0.75nV/v/Hz  =v1eSSM)2  +  (0.4nV//Hz)2  +  (0.4nV/^Hz)2 

eSSM  =  0.49nV//Hz 

The  1/f  noise  corner  frequency  is  also  remarkably  low,  only 
about  0.25Hz.  In  the  20kHz  audio  bandwidth,  the  total  RMS 
input-referred  noise  voltage  contributed  by  the  SSM-2220 
differential  pair  is, 

en  =  (0.5nV/  -/Hz)  (-/20kHz  -  20Hz)  =  70.5nVRMS 

The  thermal  noise  of  a  10£2  source  impedance  in  the  same 
bandwidth  is, 

e,  =  1.28  x  10-1(\/(10n)  (20kHz  -  20Hz)  =  57nVRMS 

The  total  input  referred  noise  of  the  preamplifier  with  10£1 
source  impedances  on  each  input  is, 

etotal  =  v/(70.5nV)2  +  (57nV)2  +  (57nV)2  +  1 06nVRMS 

This  is  lower  than  the  thermal  noise  of  a  single  50£i  resistor  over 
the  same  bandwidth,  126nV_u_. 


FIGURE  2:  The  spectrum  analyzer  shows  that,  in  a  gain  of  1 000 
with  10SI  source  impedances,  the  SSM-2220  preamplifier  has 
less  than  0.5nV  vHz  broadband  noise  and  a  1/f  noise  corner 
of  about  0.25Hz.  Total  harmonic  distortion  is  less  than  0.005% 


of  a 


10Vp  f>  signal  from  20Hz  to  20kHz. 


■ 
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The  Alexander  Current-Feedback  Audio  Power  Amplifier* 

by  Mark  Alexander 


This  application  note  was  written  by  Mark  Alexander, 
who  received  his  BSEE  from  the  University  of  Toronto  in 
1981.  As  a  consultant  to  Analog  Devices,  Mark  describes 
a  unique  power  amplifier  topology  that  is  the  result  of 
his  long  standing  interest  in  audio  power  amplifier  de- 
sign and  critical  listening  of  audio  systems. 

The  current-feedback  approach  presented  here  meets 
the  traditional  audio  requirements  of  power  amplifiers, 
but  also  adds  the  additional  benefit  of  very  high  speed 
and  bandwidth  (200  V/fj.s  slew  rate,  1  MHz  bandwidth) 
that  results  in  excellent  dynamic  performance,  and 
hence,  sound  quality. 

INTRODUCTION 

The  subject  of  power  amplifier  design  is  one  of  those 
controversial  areas  of  audio  engineering  that  continues 
to  receive  intense  debate,  despite  the  fact  that  there  are 
literally  dozens  of  papers  available  to  guide  the  de- 
signer. Many  different  topologies  have  evolved  from  the 
relatively  modest  beginnings  of  solid  state  power  ampli- 
fier design  in  the  late  1950s  and  early  1960s,  and  this  has 
lead  to  a  few  very  unique  and  original  designs.  A  sub- 
stantial number  of  transistorized  amplifiers  that  were 
built  during  these  early  years  were  little  more  than  rede- 
signs of  vacuum  tube  circuits  with  lower  voltage  supply 
rails,  and  often  had  performance  levels  that  left  a  great 
deal  to  be  desired.  Quite  a  few  of  them  sounded  signifi- 
cantly worse  than  their  thermionic  predecessors.  The 
"real  revolution"  in  audio  power  amplifier  design  actu- 
ally occurred  during  the  1970s  and  introduced  such  new 
innovations  as  direct  coupling,  fully  complementary  de- 
sign, pseudo  Class  A  biasing,  and  current  dumping;  not 
to  mention  the  discovery  of  the  importance  of  dynamic 
intermodulation  distortion  testing  and  its  relationship  to 
slew  rate.  Unfortunately,  the  plethora  of  so  called  "new" 
amplifier  designs  that  have  proliferated  since  this  period 

'Patent  pending.  The  amplifier  described  herein  is  for  informational 
purposes  only  with  restricted  use  and  no  licenses  implied.  Readers 
are  permitted  to  construct  one  stereo  amplifier  for  their  own 
personal,  noncommercial  use.  For  other  uses,  contact  Analog 
Devices  for  licensing  details. 


are  often  variations  of  older  circuits  that  originated  dur- 
ing the  1970s,  and  generally  feature  only  slight  modifi- 
cations to  the  input,  output  or  gain  stages. 

Some  designers  have  demonstrated  rail-commutated 
output  stages,  which  allow  them  to  improve  the  operat- 
ing efficiency  of  a  big  amplifier  to  such  an  extent  that  the 
huge  amount  of  output  transistor  heat  sinking  usually 
necessary  is  reduced  to  that  of  a  much  lower  power 
design.  These  can  suffer  from  "switch  over"  distortion 
caused  by  the  output  stage  switching  between  different 
supply  rails,  and  can  be  quite  objectionable.  Certainly, 
high  output  power  should  not  be  obtained  at  the  ex- 
pense of  inferior  operating  specifications,  but  this  is  in- 
deed the  case  with  certain  types  of  amplifiers.  Some 
clever  design  techniques  do  achieve  quite  impressive 
performance,  however,  albeit  at  the  expense  of  greatly 
increased  circuit  complexity.  Still  other  amplifiers  dis- 
pense completely  with  the  familiar  principles  of  negative 
feedback,  and  their  creators  claim  that  their  circuitry 
provides  a  sound  more  "open  and  lifelike,"  even  though 
the  distortion  performance  is  usually  poor.  On  the 
whole,  though,  most  audio  power  amplifiers  are  essen- 
tially discrete  copies  of  monolithic  voltage  feedback  op 
amps,  such  as  the  4136,  but  are  invariably  simplified  to 
reduce  the  transistor  count. 

The  purpose  of  this  technical  note  is  to  introduce  the 
audio  designer  to  a  truly  new  power  amplifier  topology, 
not  an  adaptation  of  an  existing  design,  that  offers  ex- 
ceptional performance  on  a  par  with  the  best  of  the 
available  solid  state  designs  (voltage  feedback  or  other- 
wise). This  new  topology  completely  dispenses  with  the 
principles  of  global  voltage  feedback,  so  commonly 
used  in  most  amplifiers,  in  favor  of  a  design  based  in- 
stead on  the  principles  of  current  feedback.  In  addition, 
this  note  addresses  many  of  the  important  practical  as- 
pects of  successfully  getting  a  design  off  the  ground, 
aside  from  choosing  the  basic  core  amplifier  design.  In 
almost  all  cases,  having  a  good  basic  amplifier  topology 
is  not  enough  to  guarantee  that  the  final  piece  of  equip- 
ment will  perform  to  the  original  design  expectations. 
Consequently,  additional  topics  such  as  board  layout. 
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component  selection,  paralleling  output  devices,  place- 
ment of  high  current  wiring,  and  thermal  design  are 
considered  as  well. 

A  LITTLE  BACKGROUND  ON  FEEDBACK 

Before  dissecting  the  new  audio  amplifier  circuit  in  de- 
tail, some  background  on  the  differences  in  operational 
characteristics  between  voltage  feedback  and  current 
feedback  amplifiers  is  appropriate.  Since  it  is  likely  that 
the  reader  may  not  have  been  previously  exposed  to  the 
latter,  an  overview  of  voltage  feedback  followed  by  a 
look  at  the  advantages  of  current  feedback  is  necessary. 
This  discussion  will  allow  one  to  understand  why  cir- 
cuits that  make  use  of  this  relatively  new  topology  are  so 
important.  Because  the  bandwidth  of  an  audio  amplifier 
is  usually  one  of  the  most  important  specifications,  a 
relatively  simple  equation  for  the  upper  -3  dB  point  is 
essential.  Simplifying  the  current  feedback  amplifier  and 
its  attendant  feedback  network  into  a  representative  cir- 
cuit model  for  nodal  analysis  provides  the  key  to  arriving 
at  a  compact,  but  reasonably  accurate,  expression  for 
the  frequency  response.  Appendix  A  has  complete  de- 
tails of  the  circuit  analysis. 

The  theoretical  analysis  of  a  voltage  feedback  circuit  that 
often  accompanies  its  frequent  criticism  has  been  well 
described  in  other  works,1  and  thus  will  not  be  reiterated 
here.  Since  the  original  impetus  behind  the  develop- 
ment of  this  new  power  amplifier  design  was  a  general 
dissatisfaction  with  the  performance  achievable  by  volt- 
age feedback  circuits,  some  discussion  of  their  disad- 
vantages is  worthwhile.  This  will  serve  to  set  the  stage 
for  the  in-depth  discussion  of  current  feedback  amplifier 
analysis,  in  Appendix  A.  Although  the  analysis  section 
can  be  skipped  without  disrupting  the  continuity  of  this 
note,  the  reader  is  encouraged  to  review  it. 

Constant  gain  bandwidth  characteristics,  resulting  from 
the  application  of  voltage  feedback,  present  a  problem  if 
one  requires  reasonably  high  gain  while  simultaneously 
achieving  wide  closed-loop  bandwidth.  Some  very  high 
voltage  power  amplifiers  may  require  gains  as  high  as 
50,  for  example,  plus  a  bandwidth  of  several  hundred 
kilohertz  which  obviously  means  that  a  gain  bandwidth 
product  in  the  range  of  10  MHz  to  20  MHz  is  needed.  This 
is  not  easy  to  achieve,  especially  in  a  high  voltage  de- 
sign. An  additional  problem  with  voltage  feedback  am- 
plifiers is  that  their  slew  rate  is  usually  limited  by  the 
transconductance  stage  which  has  a  finite  maximum 
output  current,  normally  equal  to  the  tail  current  of  the 
differential  input  transistor  pair,  available  to  charge  the 
compensation  capacitor.  High  slew  rate  is  very  desirable 
in  a  large-signal  audio  power  amplifier  and  mandates 
the  use  of  large  input-stage  tail  currents  and  small  com- 
pensation capacitor  values.  Unfortunately,  in  the  inter- 
ests of  amplifier  stability,  reducing  the  value  of  the 
compensation  capacitor  requires  some  degeneration  of 
the  input  stage  (to  reduce  its  transconductance)  which 
thus  reduces  the  open-loop  gain.  This  action  reduces  the 
loop  gain  available  in  the  audio  band  and  causes  an 
increase  in  THD  products,  since  it  is  the  loop  gain  that 
• 


serves  to  reduce  the  open-loop  amplifier  distortion, 
most  of  which  originates  in  the  highly  nonlinear  output 
stage.  What  all  this  boils  down  to  is  the  fact  that  a 
difficult  trade-off  has  to  be  made  between  stability, 
open-loop  gain,  and  slew  rate  without  compromising 
the  overall  ac  performance  and  transient  response. 
Clearly,  a  global  voltage  feedback  scheme  may  not  nec- 
essarily be  the  optimum  choice  for  ultrahigh  perfor- 
mance audio  power  amplifiers,  and  in  some  cases  it  will 
not  even  be  possible  to  meet  all  the  design  goals  using 
this  topology. 

Current  feedback  operational  amplifiers  were  originally 
introduced  because  they  overcame  the  bandwidth  varia- 
tion, inversely  proportional  to  closed-loop  gain,  exhib- 
ited by  voltage  feedback  amplifiers.  They  still  show  a 
slight  variation  of  bandwidth,  however,  as  the  gain  is 
increased  above  unity,  but  it  is  much  less  significant 
than  with  the  latter.  In  fact,  current  feedback  amplifiers 
don't  begin  to  behave  like  voltage  feedback  amplifiers 
until  the  closed-loop  gain  is  made  quite  large  (~50).  The 
simplified  model  of  a  current  feedback  amplifier  in  Fig- 
ure 1  shows  that  it  uses  a  unity  gain  input  buffer  whose 
output  current  is  fed,  via  a  bidirectional  current  mirror, 
into  a  transimpedance  gain  stage.  The  voltage  gener- 
ated here  is  then  buffered  and  fed  to  the  output  terminal. 
Typical  values  for  RT  are  quite  high,  usually  several  hun- 
dred kilohms  or  even  a  few  megohms.  R,NV  is  the  output 
resistance  of  the  input  buffer,  and  feedback  resistors  R, 
and  R2  set  the  input-to-output  voltage  gain  in  a  fashion 
somewhat  similar  to  that  of  a  conventional  op  amp. 
Here,  however,  it  is  an  error  current  I,  that  sustains  the 
output  voltage  and  not  an  error  voltage. 


"TRANSIMPEDANCE 
STAGE" 


(INPUT) 


Figure  1.  The  Model  of  a  Current  Feedback  Amplifier 
Shows  that  an  Error  Current,  /„  Determines  the  Overall 
Output  Voltage. 

The  concept  of  a  finite  gain  bandwidth  product  can  also 
be  applied  to  a  current  feedback  amplifier  as  a  measure 
of  its  performance,  although  it  is  only  meaningful  at 
high  gains.  Arguably,  the  most  important  attribute  of 
this  topology  is  that  the  amount  of  current  available  to 
charge  the  compensation  capacitor  during  output  slew- 
ing is  proportional  to  the  difference  between  the  actual 
and  final  output  voltages,  just  like  a  simple  RC  circuit.  As 
such,  there  is  theoretically  no  slew  rate  limit  with  this 
topology,  which  makes  it  very  attractive  for  an  audio 
power  amplifier.  Practical  circuit  limitations  inevitably 
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impose  a  restriction  on  the  maximum  current  level  that 
can  be  handled  in  the  gain  stage  of  a  current  feedback 
amplifier,  however,  and  it  is  this  limiting  that  gives  rise 
to  a  finite  slew  rate.  Still,  the  slew  rates  achievable  with 
these  types  of  circuits  are  often  higher  by  as  much  as  a 
factor  of  5  (or  greater)  than  their  voltage  feedback  coun- 
terparts, for  a  given  quiescent  supply  current.  Current 
feedback  represents  a  much  more  logical  choice  for  a 
power  amplifier  than  voltage  feedback,  and  this  will  be 
demonstrated. 

POWER  AMPLIFIER  CIRCUIT  TOPOLOGY 

Prior  to  looking  at  the  actual  amplifier  circuit,  the  simpli- 
fied block  diagram  of  Figure  2  will  be  considered  to  help 
understand  how  the  overall  design  works  on  a  system 
level.  This  will  make  the  final  amplifier  circuit  easier  to 
follow.  As  may  be  gathered  from  Figure  2,  this  is  a  rather 
unconventional  design,  in  which  there  are  two  op  amp 
input  stages  feeding  a  single  gain  stage  and  power  out- 
put buffer.  By  considering  this  design  one  block  at  a 
time,  however,  it  is  becomes  easier  to  grasp  the  way  in 
which  each  of  the  major  sections  interacts  with  one 
another. 

The  Input  Stage 

The  input  buffer  used  in  this  power  amplifier  is  simply  a 
conventional  voltage  feedback  op  amp  chosen  for  its 
excellent  audio  characteristics,  and  reasonably  high  out- 
put current  capability.  This  ensures  that  the  limiting  fac- 
tor in  terms  of  overall  amplifier  performance  will  be  the 
current  feedback  gain  block  and  not  the  input  stage.  The 
output  current  from  input  amplifier  An  is  taken  from  its 
power  supply  pins  and  fed  to  the  emitters  of  a  pair  of 
common  base  cascode  transistors  that  provide  regu- 
lated dc  voltages  for  the  op  amps.  At  first  glance  this 
might  appear  to  be  a  very  strange  connection,  because 


Figure  2.  A  Simplified  Block  Diagram  of  the  Amplifier  Shows  that  the  Input  Amplifiers,  A,  and  A2,  Feed  a  Common  Gain 
Stage  and  Output  Buffer. 


the  power  supply  pins  of  A,  are  used  as  outputs  and  its 
output  is  used  as  an  input.  However,  this  is  in  accor- 
dance with  the  model  shown  in  Figure  1  since  the  output 
current  from  the  input  buffer  must  be  fed,  via  the  bidi- 
rectional current  mirror,  into  the  transimpedance  gain 
stage.  It  is  here  that  the  high  output  voltage  is  ultimately 
generated,  prior  to  buffering  by  the  unity  gain  output 
stage.  The  half-wave  rectification  action  of  A,'s  output 
current,  due  to  its  class  AB  output  stage,  causes  the  two 
current  mirrors  to  receive  complementary  input  cur- 
rents. When  A,  is  sourcing  output  current,  it  causes  a 
corresponding  increase  in  the  current  of  the  upper  mir- 
ror and  a  decrease  in  that  of  the  lower  mirror.  This 
forces  the  voltage  at  the  output  of  the  transimpedance 
stage  to  swing  positive.  For  cases  where  A,  is  sinking 
current,  exactly  the  opposite  is  true.  A  current  mode 
gain  stage  arrangement  such  as  this  is  fully  complemen- 
tary and  truly  push-pull,  which  means  it  should  exhibit 
low  even-order  distortion.  Note  that  the  quiescent  sup- 
ply current  of  A,  conveniently  serves  to  bias  the  two 
current  mirrors  that  sit  referenced  to  each  power  supply 
rail,  thus  providing  an  appropriate  operating  point  for 
the  transimpedance  stage  and  bias  voltage  generator. 

In  most  commercially  available  current  feedback  ampli- 
fiers, the  input  buffer  stage  has  a  gain  of  unity  and  is 
generally  of  an  open-loop  design.  Here,  an  op  amp  is 
being  used  as  the  input  stage  instead  and  thus  can  be 
configured  to  provide  some  gain.  This  is  extremely  easy 
to  do  since  it  only  involves  tapping  the  shunt  resistor  to 
ground  at  the  output  of  Av  The  overall  amplifier  mid- 
band  gain  is  therefore: 

Av=(,+*l)(,+     *!-J\  ft 

Y  "6/  \  "6  +  "7/ 
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The  Gain  Stage  and  Frequency  Compensation 

The  outputs  of  the  two  current  mirrors  that  are  con- 
nected to  each  supply  rail  feed  an  adjustable  voltage  bias 
generator  which  provides  the  necessary  bias  for  class  AB 
operation  of  the  complementary  MOS-IGBT  (Metal- 
Oxide-Semiconductor  Insulated-Gate-Bipolar-Transistor) 
output  stage.  The  bias  generator  is  designed  to  have 
very  low  output  impedance  over  the  operating  fre- 
quency range  of  the  amplifier.  Compensation  is  pro- 
vided by  CC1  and  CC2;  two  capacitors  are  used  instead  of 
one  to  keep  the  structure  of  the  gain  stage  symmetrical. 
Unlike  the  simplified  current  feedback  model  shown  in 
Figure  1,  this  design  has  the  compensation  capacitors 
returned  to  the  feedback  summing  node  instead  of 
ground.  This  alternate  connection  has  a  very  beneficial 
effect  on  the  amplifier  step  response  when  it  is  loaded 
by  a  fairly  low  value  impedance  such  as  a  loudspeaker. 

An  IGBT  emitter  follower  output  stage,  such  as  the  one 
used  in  this  amplifier,  has  a  transfer  function  that  con- 
tains two  poles  and  a  real  zero  plus  the  usual  dc  gain 
term  of  slightly  less  than  unity.  When  the  amplifier 
drives  high  values  of  load  impedance,  such  as  the  feed- 
back resistors  alone,  the  two  output  stage  poles  are 
quite  high  in  frequency  (usually  above  20  MHz),  and 
contribute  little  excess  phase  shift  within  the  amplifier's 
passband.  Quite  a  different  situation  arises  when  a  load 
is  connected  to  the  output  of  the  amplifier.  The  two 
poles  in  the  output  stage  now  split  apart,  and  the  domi- 
nant one  becomes  sufficiently  low  in  frequency  that  it 
contributes  excess  phase  shift  at  lower  frequencies 
within  the  amplifiers'  passband.  This  can  cause  a  consid- 
erable problem  if  the  compensation  scheme  in  Figure  1 
is  used  since  it  may  result  in  undesirable  ringing  on  the 
edges  of  a  square  wave.  The  compensation  scheme  of 
Figure  2  overcomes  this  problem  by  inserting  a  high 
frequency  closed-loop  zero  that  tends  to  make  the  am- 
plifier more  stable.  Also,  this  compensation  arrange- 
ment allows  the  use  of  smaller  capacitors  than  with  the 
original  scheme.  Appendix  A  shows  the  complete  re- 
sponse of  the  amplifier  when  this  alternate  compensa- 
tion scheme  is  used.  If  we  assume  that  the  small  signal 
transresistance,  RT,  is  quite  high  and  also  that  the  output 
buffer  gain  is  near  unity,  then  the  closed-loop  pole  and 
zero  will  occur  at  frequencies  given  by: 


fpoiE  = ' 


2  ir  2fi, 


and 


(1  +  R6  +  «7) 
4  -it  fi8  Ca2 


(2) 


(3) 

where  CC12  is  the  sum  of  CC1  and  CC2.  Notice  that  the 
frequency  at  which  the  zero  occurs  is  approximately 
equal  to  the  closed-loop  bandwidth  multiplied  by  the 
gain  of  the  current  feedback  loop,  if  R,NV  is  fairly  small  in 
value.  These  equations,  plus  Equation  (1 ),  are  the  neces- 
sary design  formulas  needed  to  determine  the  gain  and 
small  signal  bandwidth  of  this  amplifier.  Later  on  it  will 


be  demonstrated  that  the  mathematical  theory  and  ac- 
tual measurements  made  on  the  circuit  do  indeed  corre- 
late very  well  with  each  other. 

■ 

Driver  and  Output  Stages 

This  part  of  the  power  amplifier  design  is  quite  conven- 
tional, relatively  speaking,  and  no  attempt  was  made  to 
use  error  correction  or  pseudo  class  A  biasing  schemes 
to  lower  the  output  stage  crossover  distortion.  Since  the 
primary  design  objective  for  this  amplifier  was  wide 
bandwidth  and  high  slew  rate,  it  was  felt  that  any  addi- 
tional circuitry  following  the  transimpedance  gain  stage 
might  degrade  the  closed-loop  stability.  Besides,  low 
crossover  distortion  can  be  achieved  by  running  the 
output  transistors  at  a  sufficiently  (but  not  excessively) 
high  idling  current.  A  simple  double  emitter  follower 
driver  stage,  therefore,  was  chosen  to  buffer  the  voltage 
generated  by  the  gain  stage  and  feed  it  to  the  gates  of 
the  power  IGBTs.  This  driver  stage  is  capable  of  provid- 
ing several  hundred  milliamps  of  charging  current  for 
the  IGBT  gate  capacitances  while  the  output  is  slewing, 
and  is  mandatory  in  a  high  speed  design  such  as  this. 

DC  Control  Amplifier 

The  purpose  of  this  additional  input  stage  is  to  provide 
an  accurate,  low  drift,  dc  gain  path  to  the  main  output 
that  is  independent  of  the  ac  gain  path  and  its  poor  dc 
characteristics.  In  the  original  version  of  this  amplifier, 
expensive  precision  matched  NPN  and  PNP  dual  transis- 
tors were  used  in  the  two  current  mirrors,  but  no  dc 
control  amplifier  was  used.  It  was  incorrectly  assumed 
that  precise  matching  of  the  transistors  in  each  mirror 
would  result  in  very  low  output  offset  voltage,  as  long  as 
the  input  buffer  had  reasonably  low  input  offset  voltage 
as  well.  As  it  happens,  this  is  not  the  case  with  a  current 
feedback  amplifier.  Any  mismatch  between  the  two  cur- 
rent mirrors  results  in  a  finite  amount  of  bias  current 
appearing  at  the  output  terminal  of  the  input  buffer, 
which  must  flow  through  feedback  resistor  R8  to  the 
output.  It  cannot  flow  through  R6  and  R7  to  ground, 
because  the  current  in  these  resistors  is  set  only  by  the 
voltage  appearing  at  the  output  of  the  input  buffer.  The 
output  offset  voltage,  without  the  dc  control  amplifier  is 
thus: 

Voos  =  V/osuii  (1  +  ^)  (1  +  R-^rki)  +  <4) 

Normally,  V,os  (A,)  can  be  made  quite  small  by  using  a 
low  offset  op  amp.  Unfortunately,  the  output  terminal 
bias  current,  lB|AS,  can  be  as  large  as  100  (xA  under  static 
conditions  and  even  larger  if  a  thermal  gradient  exists 
between  the  two  mirrors  on  the  power  amplifier  driver 
board.  This  can  easily  lead  to  an  output  offset  in  excess 
of  100  mV,  which  changes  as  the  amplifier  warms  up.  A 
large  offset  like  this  is  likely  to  cause  an  audible  click 
when  the  relay  that  connects  the  loudspeakers  to  the 
amplifier  is  energized,  and  is  generally  undesirable. 

The  solution  to  these  problems  is  a  low  frequency  servo- 
loop  that  controls  the  dc  output  voltage,  independently 
of  any  low  frequency  current  or  voltage  fluctuations  in 
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the  main  current  feedback  gain  path.  This  is  facilitated 
by  the  use  of  a  second  low  power  precision  op  amp,  A2, 
that  is  configured  as  an  integrator  with  very  low  cross- 
over frequency  (less  than  5  Hz).  The  low  crossover  fre- 
quency ensures  that  the  integrator  will  not  have  any 
effect  on  the  performance  of  the  overall  amplifier  in  the 
audio  band.  Voltage  feedback  is  applied  from  the  main 
output  back  to  the  input  of  the  integrator  through  resis- 
tors R10  and  R1V  which  set  the  closed-loop  dc  gain.  This 
gain  is  made  equal  to  that  given  by  equation  (1).  Since 
A2  drives  a  resistor  connected  to  ground,  as  shown  in 
Figure  2,  it  behaves  as  an  operational  transconductance 
amplifier  with  the  output  current  taken  from  its  power 
supply  terminals.  This  compensating  output  current  is 
then  fed  to  the  two  common-base  regulator  transistors 
where  it  is  summed  with  the  signal  current  from  the 
power  supply  terminals  of  A, .  The  output  current  of  A2  is 
thus  forced  to  cancel  lB,AS  almost  exactly  because  the  dc 
gain  of  the  integrator,  coupled  with  the  additional  gain 
produced  by  the  transimpedance  stage,  is  very  high. 
Consequently,  the  integrating  control  loop  completely 
overrides  the  current  feedback  loop  at  dc  and  the  output 
offset  is  reduced  from  that  given  by  Equation  (4)  to: 

V0os=  Vfosw      +  (5) 

This  means  that  it  can  be  made  arbitrarily  small  through 
the  choice  of  a  low  offset  amplifier  for  A2.  Here  the  cost 
of  an  additional  op  amp  is  more  than  offset  by  not 
having  to  use  expensive  matched  NPN  and  PNP  dual 
transistors  in  the  current  mirrors. 

AMPLIFIER  CIRCUIT  DESIGN 

The  complete  circuit  diagram  for  one  channel  of  the 
amplifier  is  shown  in  Figure  3,  and  an  accompanying 
parts  list  is  included  in  Appendix  B.  This  design  utilizes 
2  IC  op  amps,  17  bipolar  transistors  in  the  gain  and 
driver  stages,  and  at  least  2  complementary  IGBT  power 
transistors  from  Toshiba  in  the  output  stage.  These  re- 
cently introduced  devices  are  essentially  similar  to 
power  MOSFETs  in  that  they  have  a  very  high  imped- 
ance input  terminal  (the  gate)  and  square-law  transfer 
characteristics,  but  are  manufactured  using  a  slightly 
modified  double  diffused  MOS  process.  Unlike  power 
MOSFETs,  however,  they  feature  consistently  higher 
current  handling  capability  for  N-  and  P-channel  transis- 
tors of  a  given  die  size.  This  allows  one  to  get  by  with 
a  smaller  die  size  IGBT  output  stage  than  one  using 
MOSFETs,  thus  providing  a  fairly  substantial  cost  sav- 
ings (especially  on  the  P-channel  transistors).  The  driver 
stage  in  this  amplifier  can  easily  accommodate  multiple 
pairs  of  power  devices  in  the  output  stage,  because  of 
its  high  peak  current  drive  capability,  but  just  a  single 
pair  of  250  V,  20  A  IGBTs  was  used  in  the  version  that 
was  characterized  here.  Power  supply  voltages  for  the 
driver  board  and  output  stage  may  range  from  ±20  V  to 
±75  V.  Most  of  the  components  that  mount  on  the  com- 
pact driver  board,  the  layout  of  which  is  shown  in  Figure 
4,  are  quite  readily  available  and  inexpensive. 


An  input  filter  with  a  cutoff  frequency  of  approximately 
2  MHz  precedes  the  input  stage.  It  was  included  to  re- 
duce the  potential  for  RF  interference  problems,  and  to 
eliminate  the  possibility  of  the  amplifier  oscillating  on 
power-up  with  the  input  left  floating  (something  that 
was  noticed  during  the  original  development  of  this  to- 
pology). The  filter  is  formed  by  the  100  Q  input  resistor 
and  750  pF  shunt  capacitor.  A  100  kfl  resistor  is  con- 
nected to  ground  at  the  input  of  Av  and  provides  the 
necessary  dc  bias  current  path  to  ground  if  the  input  is 
inadvertently  left  open.  The  overall  amplifier  gain  is  set 
by  R6,  R7,  and  R8,  and  substituting  the  values  of  these 
resistors  into  equation  (1)  yields  a  figure  of  24.087  or 
27.64  dB.  If  more  gain  from  the  circuit  is  desired,  the 
values  of  R6  and  R7  should  be  changed,  but  their  sum 
should  be  kept  approximately  equal  to  50  CI  so  that  the 
gain  of  the  current  feedback  section  stays  constant  (at 
about  a  factor  of  16).  By  simply  swapping  the  16.5  fi  and 
33.2  n  resistors,  for  example,  the  gain  of  the  input  stage 
becomes  approximately  equal  to  3,  and  the  gain  of  the 
overall  amplifier  increases  to  a  factor  of  48.47  or  33.7  dB. 
In  fact,  the  gain  of  the  input  stage  can  be  made  as  large 
as  20  dB  before  its  bandwidth  drops  below  that  of  the 
rest  of  the  amplifier. 

The  references  for  the  two  common-base  regulator  tran- 
sistors (Q,  and  Q2),  which  provide  stable  supply  volt- 
ages for  the  op  amps,  are  actually  two  pairs  of  standard 
NPN  bipolar  transistors  (2N3904s)  used  as  Zener  diodes 
(Q14  through  Q17).  They  are  connected  in  series  (with 
their  collector  leads  clipped  off)  to  obtain  a  net  break- 
down voltage  of  around  1 5  V  for  the  pair .  There  really  is 
a  good  reason  for  using  such  an  arrangement  since  it 
would  obviously  be  easier  to  use  a  15  V  "Zener"  diode, 
as  opposed  to  this  seemingly  more  complicated  ap- 
proach. In  reality,  the  connection  of  two  bipolar  transis- 
tors in  this  manner  exhibits  significantly  less  low 
frequency  noise  than  the  15  V  "avalanche"  diodes,  as 
they  are  more  appropriately  called,  and  is  actually  more 
cost  effective.  The  composite  Zeners  are  bypassed  with 
10  (xF  25  V  tantalum  capacitors,  used  mainly  for  reasons 
of  economy  and  size,  which  filter  out  residual  noise  from 
the  diodes  as  well  as  the  power  supply  rails.  Two  resis- 
tors marked  RB!AS  on  the  circuit  diagram  (R,  and  R2), 
which  are  connected  to  each  supply,  serve  to  bias  Zener 
connected  transistors  Q14  through  Q17  and  should  be 
chosen  such  that  with  nominal  power  supply  operating 
voltages  (anywhere  from  50  to  70  volts)  about  1  mA  of 
current  will  flow  through  them. 

The  two  Wilson  current  mirrors  connected  to  each  rail, 
and  fed  from  the  collectors  of  Qn  and  Q2,  are  formed 
from  a  low  voltage  transistor,  a  diode  and  a  high  voltage 
transistor  (2N5551  or  2N5401).  They  are  degenerated 
somewhat  with  100  fi  1%  resistors  to  improve  matching. 
Anti-saturation  diodes  (D2  through  D5)  have  been  in- 
cluded to  prevent  storage  time  problems  with  the  cas- 
code  transistors  (Q4  and  Q6)  in  either  of  the  two  mirrors 
during  clipping,  and  this  results  in  extremely  rapid  re- 
covery from  overdrive.  It  should  be  noted  that  the  onset 
of  clipping  in  the  transimpedance  stage  will  occur  at 
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Figure  3.  The  Complete  Amplifier  Circuit  Diagram  Shows  that  Inexpensive  Small-Signal  Silicon  Is  Used  Throughout  to 

Minimize  Overall  Cost. 


about  2  V  from  either  power  supply  rail  for  very  small 
overdrive  conditions,  but  hard  clipping  in  this  stage  will 
actually  be  dependent  on  the  current  limit  of  the  input 
amplifier  Av  This  occurs  because,  during  hard  clipping, 
the  current  summing  network  connected  to  the  output  of 
A,  is  no  longer  balanced  and  significant  current  can  flow 
in  its  output  stage.  Consequently,  the  current  in  the  mir- 
rors increases  very  rapidly  up  to  the  value  of  A/s  maxi- 
mum output  capability  (usually  30  mA  to  40  mA), 
causing  a  corresponding  voltage  drop  across  the  afore- 
mentioned 100  ft  resistors.  The  effect  of  this  excessive 
current  in  the  mirrors  is  such  that  it  causes  the  clipped 
signal  to  "pull  in"  slightly  from  the  rails,  as  the  amplifier 
is  driven  harder  and  harder  into  its  overload  region.  It  is 
very  important  not  to  let  the  circuit  stay  in  this  condition 
for  any  significant  period  of  time,  since  the  power  dissi- 
pation in  Qt  and  Q2  will  increase  far  beyond  their  nom- 
inally rated  value  of  a  few  hundred  milliwatts.  Peak 
dissipation  in  these  transistors  can  reach  as  much  as 
1.5  W  to  2  W,  with  typical  rail  voltages  of  50  to  70  volts; 
therefore,  very  large  dc  input  signals  or  low  frequency 
square  waves  should  be  avoided.  If  these  operating  con- 
ditions are  anticipated,  however,  clip-on  heat  sinks  for 
Q,  and  Q2  are  mandatory. 

Frequency  compensation  in  this  particular  design  is  pro- 
vided by  two  47  pF  compensation  capacitors  that  are 
connected  to  the  feedback  summing  node  (C6  and  C7),  as 
mentioned  previously.  This  results  in  a  total  value  of  94 
pF.  The  reason  such  a  large  value  of  capacitance  was 
chosen  is  quite  simple:  it  completely  swamps  out  any 
nonlinear  voltage  dependent  capacitances  that  are 
present  at  the  high  impedance  gain  node,  resulting  in 
constant  amplifier  bandwidth  as  the  supply  voltage  is 
varied.  Concerns  about  too  low  a  slew  rate,  with  such 
large  compensation  capacitors,  are  usually  justified  in  a 
voltage  feedback  amplifiers,  but  here  there  is  as  much  as 
30  mA  of  current  available  to  charge  them  and  slew  rate 
limiting  will  not  normally  be  encountered. 

A  calculation  of  the  expected  frequency  response  of  the 
amplifier  is  now  in  order,  and  can  be  accomplished  quite 
easily  by  substituting  the  value  of  94  pF  for  CC12,  and  the 
values  of  750  11  for  R8,  16.5  ft  for  R7,  and  33.2  ft  for  R6 
into  Equation  (2).  The  value  for  R,NV  is  a  little  more 
difficult  to  determine  since  we  must  know  a  priori  what 
the  value  of  the  closed-loop  output  resistance  of  A,  is,  at 
the  overall  -3  dB  point  of  the  amplifier.  The  solution  to 
this  problem  actually  involves  a  little  bit  of  circular  rea- 
soning, but  the  motive  behind  it  is  rather  easy  to  see.  If 
Equation  (2)  is  evaluated  initially  without  considering 
the  effect  of  R,NV,  a  closed-loop  bandwidth  of  1.12  MHz 
is  calculated.  Since  the  effect  of  a  finite  R,NV  is  to  lower 
the  bandwidth  somewhat,  a  prediction  of  the  final  am- 
plifier closed-loop  bandwidth  will  allow  an  initial  guess 
for  this  parameter  to  be  made.  In  this  case  a  prediction 
of  a  final  closed-loop  bandwidth  of  1  MHz  is  made.  If  we 
now  take  the  open-loop  output  resistance  of  A,  from  its 
data  sheet  (about  70  ft)  and  divide  it  by  one  plus  the 
value  of  its  loop  gain  at  the  predicted  -3  dB  point  of  1 
MHz  (about  7.68),  a  value  of  9.11  ft  is  obtained.  When 


this  estimate  for  R,NV  is  included  in  Equation  (2),  an 
overall  closed-loop  bandwidth  of  1.034  MHz  is  the  final 
result.  This  is  really  very  close  to  the  original  guess  of  1 
MHz,  and  it  seems  that  no  further  iteration  will  be  nec- 
essary to  get  closer  to  an  acceptable  answer.  It  should 
now  be  plainly  apparent  that  extraordinarily  wide 
closed-loop  bandwidth  seems  rather  easy  to  come  by  in 
a  current  feedback  power  amplifier,  even  when  the  com- 
pensation capacitors  are  quite  large.  For  this  reason, 
careful  board  layout  and  wiring  techniques  are  of  tanta- 
mount importance  in  actually  getting  a  design  such  as 
this  to  work  properly  without  oscillating. 

The  output  stage  bias  voltage  generator,  connected  be- 
tween the  collectors  of  Q4  and  Q6,  is  formed  from  a 
programmable  shunt  regulator  (D7),  with  an  NPN 
emitter-follower  buffer  (Q5)  driving  its  control  input.  This 
buffer  is  not  normally  required  in  most  applications  be- 
cause the  control  input  bias  current  of  D7  (a  TL431)  is 
only  a  few  microamps,  but  it  is  included  here  for  thermal 
compensation  of  the  output  stage  idling  current.  A  com- 
mon problem  with  biasing  output  stages  that  use  verti- 
cal DMOS  devices  (MOSFETs  and  IGBTs)  is  that  at 
moderately  low  current  levels,  the  decrease  in  VTH  of 
approximately  3  mV/°C  causes  the  collector  current  to 
increase  for  a  fixed  gate-to-emitter  bias  voltage.  If  tran- 
sistor Q5  is  securely  mounted  on  the  same  heat  sink  as 
the  power  IGBT  output  stage,  its  VBE  will  decrease  as  the 
output  transistors  heat  up.  This  decrease  in  VBE  of  about 
2  rnV.X,  which  is  multiplied  up  in  the  bias  generator  by 
approximately  a  factor  of  three,  thus  helps  to  stabilize 
the  quiescent  current  in  the  IGBT  output  stage.  A  form-C 
relay  can  also  be  included  across  the  50  kft  bias  adjust- 
ment pot  (VR,),  as  shown,  to  allow  the  amplifier  to  be 
powered  up  with  zero  bias  voltage  on  the  output  transis- 
tors. This  feature,  when  used  in  conjunction  with  resis- 
tive surge  protection  schemes  for  the  main  filter 
capacitors  (and  bridge  rectifiers)  during  power  up,  will 
prevent  any  static  voltage  drop  across  the  current  limit- 
ing resistor  due  to  the  amplifier  class  AB  idling  current. 

Some  means  must  be  provided,  as  well,  to  protect  the 
output  transistors  from  any  condition  that  could  cause 
their  gate-to-emitter  voltages  to  exceed  the  maximum 
allowed  value  of  ±20  V.  Thus,  Zener  diodes  D9  and  D10 
are  connected  from  either  side  of  the  bias  generator  to 
the  main  output,  and  prevent  the  voltage  seen  between 
the  gain  stage  and  the  emitters  of  the  IGBTs  from  ex- 
ceeding more  than  about  12  V. 

The  IGBT  output  stage  is  operated  in  a  complementary 
emitter-follower  configuration  running  at  an  idling  cur- 
rent of  about  100  mA,  and  series  gate  resistors  R23  and 
R26  are  included  to  limit  the  frequency  response.  This 
mitigates  any  tendency,  in  the  fairly  wideband  output 
stage,  towards  parasitic  oscillation.  Current  in  the  output 
stage  is  sensed  across  two  low  value  resistors,  R24  and 
R25,  connected  in  series  with  the  emitters  of  the  IGBTs. 
As  the  voltage  drop  across  either  of  these  two  resistors 
increases  towards  0.7  V,  Q12  or  Q,3  will  begin  to  conduct 
current  away  from  the  gain  stage  and  thus  limit  the 
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output  voltage.  This  is  a  convenient  way  to  limit  the 
current  in  the  output  stage  to  a  safe  value.  Emitter  de- 
generation resistors  (10  fi  )  must  be  used  in  conjunction 
with  the  two  limiter  transistors,  Q12  and  Q13,  because 
this  circuit  has  quite  a  bit  of  gain  when  active  and  tends 
to  oscillate  slightly  at  high  frequencies.  Since  these  tran- 
sistors must  sink  or  source  all  the  current  from  the  tran- 
simpedance  stage  (up  to  the  current  limit  of  A,)  when 
the  output  current  is  being  limited,  the  voltage  across 
the  10  fi  resistors  will  increase  slightly  as  the  amplifier  is 
driven  into  hard  limiting.  This  causes  a  corresponding 
increase  in  the  actual  value  of  limited  current,  resulting 
in  a  somewhat  "soft"  limiting  curve. 

Of  course,  current  limiting  alone  is  not  enough  to  guar- 
antee power  transistor  integrity  if  short  circuits  to 
ground  at  the  output  are  anticipated.  This  results  from 
the  fact  that  excessive  power  dissipation  in  the  output 
stage  will  still  occur  if  the  current  limit  is  set  fairly  high 
(actually  a  very  desirable  attribute  in  a  modern  ampli- 
fier). Fusing  the  power  supply  feed  to  the  output  stage 

will  usually  be  necessary  for  protection  of  the  power 
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PRACTICAL  CIRCUIT  CONSIDERATIONS 

It  is  often  mistakenly  assumed  that  once  a  respectable 
topology  has  been  chosen  for  a  power  amplifier,  it  is  a 
simple  task  to  construct  a  completed  unit  that  meets  all 
the  original  design  goals.  In  fact,  getting  the  physical 
details  of  an  amplifier's  construction  properly  sorted  out 
can  be  just  as  time  consuming  as  the  actual  design  of 
the  driver  electronics  themselves. 

Circuit  Board  Layout 

This  is  probably  one  of  the  most  critical  elements  for  a 
wide  bandwidth  audio  power  amplifier.  The  key  to  good 
board  layout  for  this  design  is  to  keep  trace  lengths  to  an 
absolute  minimum  wherever  possible,  and  to  keep  the 
overall  layout  very  small  in  physical  size.  Figure  4  shows 
the  layout  of  the  board  used  to  characterize  this  new 
topology,  and  as  can  be  seen,  the  component  packing 
density  is  reasonably  high  — it  measures  less  than  9  cm 
on  a  side.  The  layout  of  the  driver  board  actually  follows 
the  amplifier  circuit  diagram  fairly  closely  in  orientation, 
since  it  was  begun  on  the  left  hand  side  where  the  input 
stage  resides,  and  finished  on  the  right  where  the  output 
stage  drivers  are  located. 

Power  supply  busses  travel  along  the  top  and  bottom 
edges  of  the  board,  thus  providing  a  convenient  means 
of  picking  off  power  for  the  various  stages.  The  two 
polyfilm  bypass  capacitors  on  the  board  actually  have 
their  own  ground  return  paths  that  are  independently 
isolated  from  the  signal  ground  bus  near  the  input  stage. 
This  may  seem  a  like  a  subtle  refinement,  but  on  the 
original  layout  the  bypass  capacitors  shared  the  same 
ground  bus  as  the  input  stage,  and  strange  low  level 
oscillations  were  noticed  on  the  first  prototypes.  It 
turned  out  that  the  oscillation  was  occurring  as  a  result 
of  the  discharging  of  the  bypass  capacitors  into  the 
driver  transistors  (and  ultimately  the  gates  of  the  output 
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transistors)  due  to  an  initial  perturbation  in  the  circuit. 
This  initial  disturbance  eventually  lead  to  a  self  sustain- 
ing relaxation  oscillation  (of  a  few  hundred  hertz)  be- 
cause the  ground  bus  surge,  as  the  capacitors  were 
discharging,  was  sufficiently  large  so  as  to  be  coupled 
back  into  the  input  stage  of  the  amplifier.  The  improved 
layout  of  Figure  4  does  not  exhibit  this  anomaly. 

Critical  Component  Selection 

Some  of  the  resistors  in  this  design  require  great  care  in 
their  selection,  since  the  wrong  type  of  resistive  element 
will  lead  to  unexpectedly  poor  performance.  In  particu- 
lar, the  750  n  feedback  resistor  R8  should  be  an  over- 
sized  completely  noninductive  metal  film  power  resistor 
with  a  dissipation  rating  of  at  least  2  W  (remember  that 
the  peak  current  in  this  component  may  be  as  high  as  75 
mA).  Failure  to  use  a  resistor  with  a  high  enough  power 
rating  will  very  likely  lead  to  thermal  modulation  of  the 
actual  resistance  value  and  a  corresponding  increase  in 
overall  amplifier  intermodulation  distortion  when  large 
low  frequency  input  signal  components  are  present.  Ad- 
ditionally, a  low  temperature  coefficient  of  resistance  is 
very  desirable  for  this  part.  The  current  sensing  resistors 
in  the  output  stage  (  R24  and  H25)  should  also  be  of  the 
low  or  noninductive  variety.  Since  the  short  rise  time  of 
the  amplifier  (approximately  350  ns)  means  that  a  large 
di/dt  in  the  load,  and  hence  these  resistors,  can  occur, 
any  excessive  inductance  will  cause  the  voltage  across 
them  to  increase  during  fast  edge  transitions  thus  caus- 
ing premature  current  limiting. 

Input  amplifier  A,  plays  a  significant  role  in  the  overall 
performance  of  the  amplifier.  It  must  possess  all  the 
desirable  characteristics  of  a  good  line  level  audio  op 
amp  (namely  low  distortion,  high  slew  rate  and  wide 
gain  bandwidth  product),  plus  it  must  have  good  output 
current  capability  as  well.  The  SSM2131  BiFET  audio  op 
amp  with  a  GBW  of  10  MHz  and  slew  rate  of  40  V/fj.s 
more  than  meets  the  requirements  for  this  design.  Also, 
amplifier  A2  in  the  integrating  dc  control  stage  must 
have  very  low  input  offset  current  in  addition  to  low 
offset  voltage.  This  is  because  1  MO  resistors  are  used, 
in  series  with  its  input  pins,  to  obtain  the  long  time 
constant  needed  in  this  stage.  Too  large  an  input  offset 
current  would  cause  a  sufficiently  large  differential  dc 
error  to  appear  across  these  resistors  (many  mV)  and  it 
would  render  a  low  input  offset  voltage  op  amp  totally 
useless.  The  OP-97  adequately  satisfies  these  require- 
ments with  an  input  offset  current  of  only  30  pA  and 
offset  voltage  of  30  (iV. 

Paralleling  Output  Transistors 

This  is  an  extremely  important  topic  because  most  am- 
plifiers will  use  more  than  one  pair  of  output  transistors 
per  channel,  so  that  low  impedance  loads  can  be  accom- 
modated without  the  output  stage  self-destructing. 
Since  the  maximum  power  dissipation  in  the  output 
stage  increases  with  decreasing  load  impedance,  it  is 
desirable  to  ensure  adequate  static  and  dynamic  current 
sharing  amongst  all  the  output  transistors.  This  will  min- 
imize the  junction-to-case  temperature  rise  in  any  one 


output  device.  Power  MOSFET  output  stages  can  be 
effectively  made  to  share  current  by  means  of  tight  ther- 
mal coupling  between  all  transistors,  and  through  the 
inclusion  of  appropriately  valued  series  source- 
ballasting  resistors.  There  is  no  reason  to  believe  that 
power  IGBT  output  stages,  with  their  very  similar  square 
law  transfer  characteristics,  will  behave  any  differently  if 
the  same  techniques  are  employed. 

Typically  for  best  current  sharing  in  a  MOSFET  output 
stage,  the  value  of  the  source  resistors  should  be 
>>1/gm  of  each  transistor  over  its  desired  drain  current 
range.  Since  the  transconductance  is  lowest  at  the  out- 
put stage  quiescent  point,  using  this  value  of  gm  should 
guarantee  sharing  over  the  full  output  current  range. 
Unfortunately,  in  practice  this  may  lead  to  rather  large 
resistance  values  and  correspondingly  large  voltage 
drops  when  high  values  of  load  current  are  being  deliv- 
ered. A.  better  solution  is  to  do  a  limited  amount  of 
prescreening  on  the  N-  and  P-channel  IGBTs  to  eliminate 
any  devices  with  larger  than  average  characteristic  devi- 
ations in  VTH  and  gm  (at  the  idling  point).  Once  this  is 
done,  it  becomes  feasible  to  use  series  emitter  resistors 
in  the  range  of  0.2/gm  to  0.5/gm,  which  will  help  to 
minimize  the  voltage  drop.  For  the  Toshiba  IGBT  output 
devices  used  in  this  design,  the  typical  gm  at  an  emitter 
current  of  around  100  mA  is  close  to  1S.  For  example,  if 
an  eight  transistor  output  stage  is  needed  that  must 
have  a  total  idling  current  of  400  mA,  series  emitter 
resistors  in  the  range  of  0.2  fl  to  0.5  f!  are  acceptable 
along  with  some  limited  screening  of  the  output  transis- 
tors prior  to  installation. 

Wiring  Techniques 

Some  amplifier  designers  relegate  power  supply  and 
output  terminal  wiring  to  the  lowest  level  of  the  design 
phase.  However,  since  these  wires  may  carry  large  pul- 
sating currents  with  a  harmonic  content  well  above  the 
audio  band,  it  pays  to  devote  some  attention  to  this  task. 
Wiring  is  probably  one  of  the  most  critical  things  that 
must  be  accomplished  successfully,  if  the  final  design  is 
to  get  anywhere  close  to  the  performance  measured  on 
a  prototype  breadboard  (where  the  wires  are  normally 
quite  short).  Usually  the  layout  of  the  power  supply 
wiring  is  not  particularly  well  controlled,  but  some  very 
simple  rules  should  be  observed  that  will  maximize  the 
likelihood  of  success  at  first  power  up. 

One  of  the  most  important  rules  in  wiring  layout  is  to 
use  twisted  pairs  for  the  forward  and  return  currents 
paths  in  any  loop.  This  minimizes  the  series  inductance 
of  the  conductors,  since  inductance  increases  with  cross 
sectional  loop  area.  Thus  all  power  supply  wires  from 
the  filter  capacitors  to  the  amplifier  output  stage(s)  (and 
driver  boards)  should  be  twisted  together,  as  shown  in 
the  system  connection  diagram  of  Figure  5.  Fuses  are 
placed  in  series  with  the  power  rails  to  protect  the  out- 
put stage  in  the  event  that  an  accidental  short  circuit  in 
the  load  occurs.  They  should  be  of  the  fast  blow  type, 
and  must  be  rated  appropriately  so  that  they  will  not 


AUDIO  PRODUCTS  4-65 


RELAY 
DRIVE 
12V 


INPUT  . 
CABLE " 


KEEP  THIS  GROUND 
CONNECTION  AS  SHORT  AS 
POSSIBLE 


C17 

 II  ' 

10|iF  100V 
C15 

— 41  

330nF  100V 


NOTE: 

KEEP  CONNECTIONS  BETWEEN 
DRIVER  BOARD  AND  OUTPUT  STAGE 
AS  SHORT  AS  POSSIBLE 


POWER 

V-t 

SUPPLY 

GND 

SECTION 

V- 

r^Z>OOQOOOO 
— 


LOUDSPEAKER 
TERMINALS 


TWIST  OUTPUT 
WIRES  TOGETHER 


BRAID  POWER 
SUPPLY  WIRES 
TOGETHER  (|) 

_ 
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open  up  under  peak  output  power  levels.  The  wires  that 
run  from  the  output  stage  to  the  loudspeaker  connectors 
should  also  be  twisted  together,  as  shown,  to  minimize 
their  inductance.  All  interconnections  between  the  driver 
boards  and  their  respective  output  stages  should  be  kept 
very  short,  in  the  interests  of  closed-loop  stability.  The 
series  gate  resistors  for  the  IGBTs  should  be  connected 
directly  at  the  package  terminals  of  these  devices. 

These  tips  are  all  a  definite  step  in  the  right  direction,  but 
there  is  something  else  to  consider  that  is  decidedly  not 
obvious.  Since  the  positive  and  negative  supply  leads 
which  feed  the  output  stage(s)  have  half-wave  rectified 
current  waveforms,  as  shown  in  Figure  6,  the  harmonic 
current  (occurring  at  even  multiples  of  the  fundamental 
output  frequency)  circulates  in  the  loop  formed  between 
the  power  supply  capacitors  and  the  output  transistors2. 
If  there  is  any  mutual  inductance  between  these  power 
supply  leads  and  the  output  terminal  loop,  after  the 
point  at  which  negative  feedback  has  been  extracted, 
even  order  distortion  components  can  be  induced  in  the 
output  that  cannot  be  attenuated  by  the  feedback  action 
of  the  amplifier.  For  a  typical  amplifier  with  RL  =  8  fl  and 
sinusoidal  excitation,  then  at  an  output  frequency  f  = 
10  kHz,  the  induced  second  harmonic  component  in  the 
output  loop  will  be  approximately  0.33%  per  u.H  of  mu- 
tual inductance.  It  should  be  noted  that  the  magnitude  of 
the  induced  distortion  components  is  proportional  to  the 
output  frequency  (i.e.,  they  get  larger  as  the  frequency 
goes  up),  which  can  be  minimized  by  keeping  the  power 
input  and  speaker  wiring  runs  perpendicular  to  each 
other.  Thus  the  output  transistors  should  be  physically 


connected  to  the  power  supply  feed  and  output  terminal 
cabling  as  shown  in  Figure  7.  This  approach  minimizes 
the  mutual  coupling  between  the  power  input  and  out- 
put paths  of  the  amplifier. 

Heatsinking  and  Thermal  Considerations 

Heatsink  selection  should  never  be  underestimated  be- 
cause it  is  one  of  those  critical  areas  that,  if  neglected, 
will  inevitably  result  in  damage  to  the  output  transistors 
from  excessive  junction  temperature.  In  most  class  AB 
power  amplifiers,  the  total  dissipation  in  the  output 
stage  is  split  equally  between  the  two  banks  of  output 
transistors  (the  N-channel  units  and  the  P-channel  units). 
An  equation  that  relates  the  power  supply  rail  voltage 
and  load  impedance  to  the  total  maximum  output  stage 
power  dissipation,  under  sinusoidal  excitation,  is  given 


PD,ss  \max) 


2  Vc, 
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where  8  is  the  phase  angle  of  the  load.  As  an  example, 
consider  the  case  of  an  amplifier  with  a  two  transistor 
output  stage  powered  by  ±60  V  rails,  and  loaded  by  an 
impedance  of  8  O  with  a  phase  angle  of  +30°.  Under 
these  conditions  the  maximum  dissipated  power  will  be 
105.3  W.  The  Toshiba  N-  and  P-channel  IGBTs  are  rated 
for  180  W  dissipation  at  a  Tc  of  25°C,  but  this  is  derated 
to  zero  at  a  Tc  of  150°C.  The  junction-to-case  thermal 
resistance  (RBJC)  for  these  transistors  is  calculated  by 
dividing  the  total  difference  in  case  temperature  change 
(125°C)  by  that  of  the  total  change  in  power  dissipation 
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Figure  6.  Harmonic  Currents  in  a  Power  Amplifier  Circulate  Between  the  Supplies  and  the  Class  AB  Output  Stage. 
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Figure  7.  The  Preferred  Output  Stage  Layout  and  Component  Placement 


(180  W).  This  results  in  a  figure  of  0.694°C/W.  Since  the 
total  power  dissipated  in  the  output  stage  is  split  equally 
between  the  two  transistors,  the  effective  RflJC  is  equal 
to  0.694/2  or  0.347°C/W.  To  ensure  that  the  output  stage 
transistors  do  not  reach  their  maximum  allowed  junc- 
tion temperature  of  150°C,  the  total  thermal  resistance 
from  junction-to-ambient  (assuming  TA  =  25°C)  must 
not  be  greater  than  125°C/105.3  W  or  1.19°C/W.  When 
the  junction-to-case  thermal  resistance  of  the  total  out- 
put stage  is  subtracted  from  this  number,  we  are  left 
with  the  net  allowed  case-to-ambient  thermal  resistance 
(r«ca)  of  0.843°C/W.  This  value  includes  any  thermal 
resistance  due  to  the  insulating  washers  that  must  be 
used  to  prevent  the  transistors  from  making  electrical 
contact  with  the  heat  sink  (often  as  much  as  0.3°C/W  per 
insulator).  Thus  in  reality,  some  allowance  for  the  inter- 
face materials  must  be  made  in  the  choice  of  the  final 
extrusion  which  will  provide  heatsinking  for  the  power 
transistors.  In  the  example  here,  a  large  finned  heatsink 
with  a  sink-to-ambient  thermal  resistance  (ResA)  of 
around  0.69°C/W  is  required.  Of  course,  had  two  pairs  of 
transistors  been  used  in  the  output  stage,  the  net  R6JC 


would  have  been  lower  by  a  factor  of  two  and  a  smaller 
extrusion  could  have  been  used  for  the  heatsink.  Thus 
there  is  a  limited  trade-off  that  can  be  made  between  the 
number  of  transistors  and  the  size  of  the  output  stage 
heatsink,  for  a  given  power  supply  rail  voltage  and  load 
impedance. 

MEASURED  PERFORMANCE 

Table  I  provides  a  synopsis  of  the  overall  performance  of 
the  current  feedback  power  amplifier  using  the  new 
complementary  IGBT  output  devices.  Although  this  de- 
sign does  not  achieve  astoundingly  low  distortion  levels 
typical  of  more  complex  topologies  that  employ  linear- 
ization schemes  in  the  output  stage,  the  measurements 
made  show  that  the  THD  and  IMD  generated  by  this 
circuit  are  still  respectably  low.  Figure  8  shows  that  the 
overall  harmonic  distortion  at  50  W  output  into  an  8  O 
load  is  a  minimal  0.001%  at  1  kHz,  rising  to  just  under 
0.009%  at  20  kHz.  This  is  a  particularly  good  result  con- 
sidering that  only  one  pair  of  output  transistors  has 
been  used.  Also,  no  low-pass  LR  isolation  network  has 
been  used  in  series  with  the  output  that  would  tend  to 
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attenuate  the  high  frequency  harmonics.  This  would  ar- 
tificially improve  the  amplifier  performance  in  the  vicin- 
ity of  20  kHz,  and  was  deliberately  excluded.  SMPTE 
intermodulation  distortion  for  60  Hz  and  7  kHz  mixed  4:1 
is  plotted  in  Figure  9  as  a  function  of  the  rms  input  level 
and,  as  the  curve  indicates,  it  is  extremely  low  being  just 
0.0004%  at  41.7  W  into  8  CI  (0.92  V  rms  input).  The 
absence  of  any  significant  upward  slope  in  the  curve  of 
Figure  9,  except  where  the  amplifier  is  entering  its  over- 
load region  at  about  0.95  V  rms  input,  indicates  a  lack 
of  thermal  modulation  effects  on  the  750  CI  feedback 
resistor. 


CUHHENT-FEZBBACX  AMPLIFIER  TKD^t(x)  in  FREQ(He) 
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Figure  8.  Amplifier  THD  Is  Below  0.009%  Throughout  the 
Audio  Band  When  Delivering  50  W  to  An  8  CI  Load. 
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Figure  9.  SMPTE  Intermodulation  Distortion  (60  Hz/7  kHz 
4:1,  40  W  into  8  CI)  Is  Exceptionally  Low,  Reaching 
Almost  0.0002%  Before  Rising  as  the  Amplifier  Enters  its 
Overload  Region. 


Table  1.  Summary  of  Amplifier  Performance 

(Vsupply  =  ±40  V,  Current  Limited  to  2.5  A  Average 

Per  Rail,  RL  =  8  ft) 


Sine  Wave  Power  Output 

(Voltage  Limited) 
Total  Harmonic  Distortion  at  1  kHz 
Total  Harmonic  Distortion  at  20  kHz 

(Depends  Strongly  on  Idling 

Current  Level  in  Output  Stage) 
SMPTE  Intermodulation  Distortion 
Dynamic  Intermodulation  Distortion 

(DIM-100) 
Frequency  Response  (-3  dB) 
Slew  Rate 

Rise  Time  (Input  Filter  in  Circuit) 
Total  Quiescent  Supply  Current 


70  W 

0.001%  at  50  W 


0.009%  at  50  W 
0.0004%  at  41 .7  W 

0.0012%  at  50  W 
DC  to  1  MHz 
>200  V/|XS 
400  ns 
130-150  mA 


Static  distortion  measurements  aside,  what  does  put  the 
current  feedback  topology  into  a  class  of  its  own  is  the 
dynamic  performance.  High  slew  rate  is  always  critical  in 
any  large  signal  amplifier  design,  but  proper  waveform 
control  during  the  reproduction  of  a  square  wave  is  just 
as  important.  Because  of  the  nature  of  the  gain  stage 
arrangement  in  this  amplifier,  slew  rate  limiting  occurs 
at  a  very  large  rate  of  change  (typically  250  V/lls).  Most 
normal  program  material  is  unlikely  ever  to  cause  slew 
limiting  in  this  amplifier,  even  with  large  output  swings. 
Consequently,  the  value  measured  for  the  DIM-100  dy- 
namic intermodulation  distortion  test  is  a  very  low 
0.0012%  at  50  W  output  into  8  CI,  as  shown  in  Figure  10. 
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Figure  10.  Low  DIM-100  Transient  Intermodulation  Dis- 
tortion (3. 15  kHz/15  kHz  4. 1,  50  W  into  8  CI)  Results  from 
the  Clean  Transient  Response. 
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This  is  the  lowest  value  of  DIM-100  distortion  that  the 
author  has  ever  seen  reported  for  a  solid-state  power 
amplifier.  In  numerous  listening  tests,  the  "fast"  sound 
of  this  amplifier  and  its  tight  LF  performance  have  been 
commented  upon.  The  large  signal  step  response  of  the 
amplifier  into  an  8  n  load  at  100  kHz  is  shown  in  Figure 
11,  and  the  no  load  response  with  an  80  V  p-p  square- 
wave  at  the  output  is  shown  in  Figure  12.  Either  photo- 
graph reveals  that  the  amplifier  is  inherently  stable  and 
exhibits  no  trace  of  overshoot  on  fast  edges. 


Figure  11.  The  Amplifier  Exhibits  Minimal  Overshoot 
When  Driving  a  High  Frequency  Square  Wave  into  an 
8  H  Load. 

Finally  the  frequency  response,  as  shown  in  Figure  13, 
does  indeed  verify  the  somewhat  overbearing  calcula- 
tions done  earlier  and  proves  that  the  closed-loop  band- 
width extends  all  the  way  out  to  1  MHz.  Such  a  wide 
frequency  response  is  definitely  overkill  for  any  audio 
power  amplifier  (200  kHz-300  kHz  is  probably  more  than 
adequate),  but  it  does  show  what  is  achievable  with  a 
modern  design. 
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Figure  13.  The  Small-Signal  Frequency  Response  Does 
Indeed  Extend  All  the  Way  Out  to  1  MHz,  as  Predicted  by 
the  Calculations. 

CONCLUSION 

Once  in  a  while  a  new  design  comes  along  that  offers  a 
different  way  of  doing  an  old  job.  The  amplifier  that  has 
been  presented  here  offers  an  evolutionary  approach  to 
the  task  of  driving  a  loudspeaker.  When  proper  attention 
is  paid  to  all  the  details  (and  some  of  them  are  nontrivial 
indeed),  current  feedback  amplifiers  can  offer  superior 
sonic  performance  to  all  known  topologies. 
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Figure  12.  A  Large  Signal  Square  Wave  at  100  kHz 
Shows  that  the  IGBT  Output  Stage  Is  Inherently  Stable 
Even  Without  a  Load. 
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APPENDIX  A:  FREQUENCY  RESPONSE  OF  CURRENT 
FEEDBACK  AMPLIFIERS 

To  derive  the  input-to-output  transfer  function  of  a  cur- 
rent feedback  amplifier,  the  representative  model  shown 
in  Figure  14  must  be  analyzed.  Instead  of  a  differential 
input  stage,  this  topology  utilizes  a  unity  gain  input 
buffer,  driving  a  low  impedance  current  summing  node, 
which  forces  the  inverting  terminal  to  be  at  the  same 
potential  as  the  noninverting  input.  A  nonzero  input 
buffer  output  resistance,  RINV,  is  shown  in  series  with 
the  inverting  terminal  and  must  be  included  in  the  anal- 
ysis of  closed-loop  gain  versus  frequency.  Neglecting 
this  resistance  is  a  common  oversight  in  simplified  anal- 
yses, and  leads  to  a  transfer  function  that  will  not  show 
any  bandwidth  variation  with  gain  at  all.  Feedback  is 
applied  from  the  main  amplifier  output  back  to  the  in- 
verting terminal  through  the  current  summing  network 
that  comprise  of  R,  and  R2. 


■TRANSIMPEDANCE 
STAGE" 


(OUTPUT) 


Figure  14. 

The  action  of  the  input  buffer  is  to  force  a  finite  current 
to  flow  through  R,  that  must  be  balanced  by  an  almost 
exactly  equal  but  opposite  current  in  R2.  Any  difference 
between  these  two  currents  is  an  error  current  that  flows 
into  or  out  of  the  low  impedance  inverting  terminal.  This 
error  current  (as  opposed  to  an  error  voltage  in  a  con- 
ventional operational  amplifier)  is  then  mirrored  and  fed 
into  a  transimpedance  stage,  consisting  of  RT  and  Cc, 
where  current-to-voltage  conversion  takes  place.  The 
voltage  generated  here  is  buffered  by  another  unity  gain 
stage  and  is  fed  to  the  main  amplifier  output.  Because 
the  value  of  the  small  signal  transresistance,  RT,  is  very 
high  (normally  several  megohms)  only  minute  error  cur- 
rents are  needed  to  change  the  voltage  at  node  2  by 
several  volts.  Consequently,  the  amount  of  current  that 
must  flow  into  or  out  of  the  inverting  terminal  under 
steady  state  conditions  is  extremely  small.  The  feedback 
network,  even  though  it  consists  of  fairly  low  value 


resistors,  therefore  presents  a  very  light  effective  load 
on  the  output  of  the  input  buffer.  To  derive  a  transfer 
function  for  this  amplifier,  nodal  equations  must  be  writ- 
ten for  nodes  1  and  2,  and  then  combined  in  an  appro- 
priate way  to  obtain  the  final  result: 
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RjAbuf  ABuf 
This  relationship  is  actually  very  similar  to  that  of  a 
voltage  feedback  amplifier,  and  it  can  be  seen  that  the  dc 
closed-loop  gain  is  nearly  equal  to  1  +  R2/R,  (assuming 
that  the  product  RTABUF  is  also  reasonably  large).  The 
low  frequency  gain  term  is  something  with  which  most 
users  of  IC  op  amps  should  already  be  familiar.  At  a  first 
glance  the  frequency  dependent  term  might  seem  to  be 
quite  similar  to  that  of  a  voltage  feedback  amplifier,  but 
it  is  in  fact  very  different.  This  can  be  seen  more  easily  if 
the  expression  for  the  closed-loop  pole  frequency  is 
written  down: 
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Interestingly,  this  result  shows  that  the  pole  frequency 
now  depends  predominantly  on  the  value  of  feedback 
resistor  R2  and  the  input  buffer  output  resistance  R,NV 
multiplied  by  the  closed-loop  gain.  Normally  the  value  of 
R,NV  is  made  as  low  as  possible  to  minimize  the  change 
in  pole  frequency  with  gain,  and  is  typically  less  than 
one  tenth  that  of  the  minimum  recommended  feedback 
resistor  value.  At  high  gains,  as  mentioned  before,  the 
closed-loop  bandwidth  starts  to  become  inversely  pro- 
portional to  the  gain  because  the  term  in  the  denomina- 
tor of  Equation  (8)  due  to  R,NV  starts  to  become 
dominant.  The  gain  bandwidth  product  is  thus: 

Abuf 


GBW  = 


(9) 
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The  gain  of  the  output  buffer,  A8UF,  also  plays  its  part  in 
determining  the  closed-loop  pole  frequency.  As  the 
main  amplifier  output  is  loaded,  this  gain  drops  well 
below  unity,  and  causes  a  reduction  in  closed-loop 
bandwidth  as  dictated  by  Equation  (8).  This  actually 
tends  to  make  the  amplifier  more  stable  since  the  high 
frequency  nondominant  poles  contribute  less  additional 
phase  shift  at  the  lower  closed-loop  -3  dB  point.  In  fact, 
many  commercial  current  feedback  amplifiers  show  sig- 
nificant gain  peaking  with  light  loads,  and  don't  begin  to 
behave  acceptably  until  loaded  fairly  heavily.  Another 
thing  to  remember  is  that  the  minimum  recommended 
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value  for  feedback  resistor  R2  must  be  strictly  adhered 
because  too  low  a  value  will  result  in  an  excessively  high 
closed-loop  pole  frequency.  This  can  result  in  severe 
gain  peaking  due  to  the  higher  order  poles  becoming 
more  dominant,  and  is  especially  a  problem  at  low  gains 
when  the  multiplicative  effect  of  R,NV  on  the  closed-loop 
pole  time  constant  is  minimal. 

During  early  development  of  the  current  feedback  power 
amplifier  it  was  noticed  that  instability  appeared  on  the 
edges  of  square  waves,  using  the  ground  referenced 
compensation  scheme.  Some  experimentation  revealed 
that  connecting  the  compensation  capacitors  to  the 
feedback  summing  node  made  the  instability  disappear. 
An  analysis  of  the  amplifier  response  using  this  new 
arrangement  was  undertaken,  since  something  must 
have  changed  to  make  it  more  stable.  Indeed,  when  the 
compensation  capacitors  are  returned  to  the  feedback 
summing  node  instead  of  ground,  the  transfer  function 
of  the  circuit  changes  quite  significantly.  This  modified 
compensation  arrangement  also  allows  one  to  get  by 
with  smaller  capacitors  than  before,  but  without  com- 
promising closed-loop  stability.  To  see  this,  the  current 
feedback  model  must  be  analyzed  again  but  this  time 


the  compensation  capacitor  Cc  is  returned  to  the  sum- 
ming node  instead  of  ground: 


The  major  difference  between  Equations  (7)  and  (10)  is 
the  appearance  of  a  zero  in  the  numerator  determined 
by  the  parallel  combination  of  R-,  and  R2,  and  some 
additional  terms  in  the  denominator.  The  zero  tends  to 
partially  cancel  the  second  pole  of  the  amplifier  due  to 
the  IGBT  output  stage,  resulting  in  greatly  improved 
stability.  Probably  the  most  interesting  thing  to  notice 
about  Equation  (10)  however,  is  that  the  R2CC  time  con- 
stant  is  now  multiplied  by  a  factor  of  two  instead  of  unity  Kfl 
as  before.  Since  it  is  this  time  constant  that  predomi- 
nantly determines  the  closed-loop  pole  frequency,  the 
original  compensation  capacitor  value  can  thus  be 
scaled  down  by  a  factor  of  one  half. 
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APPENDIX  B:  AMPLIFIER  COMPONENT  LIST  FOR  A  SINGLE  CHANNEL 


Quantity  Designator 


Integrated  Circuits 

SSM-2131P  BiFET  Audio  Op  Amp 
OP-97FP  Precision  DC  Op  Amp 
TL431CP  Programmable  Shunt  Regulator 

Transistors 

2N3904  NPN,  40  V  (4  Are  Used  as  Zener  diodes) 
2N3906  PNP,  40  V 

2N5401  PNP,  150  V  (or  2SC2682  from  NEC) 
2N5551  NPN,  160  V 
MPS-U10  NPN,  300  V1 
MPS-U60  PNP,  300  V2 

GT20D101-Y  N-CHAN  IGBT  250  V,  20  A  (Toshiba) 
GT20D201-Y  P-CHAN  IGBT  250  V,  20  A  (Toshiba) 

Diodes 

1N914  100  V,  100  mA  Small  Signal  Diode 
1N5242B  12  V,  500  mW  Zener  Diode 
1N4938  200  V,  100  mA  Low  tRR  Diode 
MR822  200  V,  5  A  Low  tRR  Rectifier 


1 
1 

1 

7 
2 
3 
3 
1 
1 
1 
1 


A, 
A2 
D7 


0-5. 

Q3, 

0-2. 

Qi. 
Qno 
Q„ 

0,8 
0,9 


0,2.  Ql4~~ On7 

i 

Q8 


D„  D2,  D5,  D6,  D8,  Dln,  D12,  D13,  D,„ 

D3,  D4 
D15,  D16 


Resistors 

(All  Values  Are  in  Ohms,  and  Are  1/4W  1%  Metal  Film  Unless  Otherwise  Specified) 


0.05  n,  3  W,  5%  Noninductive  (Shallcross  LO-3  Series)  2 

10.0  2 

16.5  1 

33.2  1 

100  (2  Are  Used  as  Gate  Resistors  for  the  IGBTs)  7 

249  1 

499  1 

750,  2-5  W,  1%  Noninductive  Metal  Film  1 

4.99  k  1 

10.0  k  1 

11.5  k  1 

16.9  k  1 

24.9  k  1 

100  k  1 

LOOM  2 

Rbias  (49-9  k  witn  ±65  V  Power  Rails)  2 
50  kf!  Multiturn  Trimpot  (Helitrim  68WR503  or  Equivalent)  1 

Capacitors 

47  pF  5%  Silvered  Mica  (or  Ceramic)  200  V  2 

750  pF  5%  Silvered  Mica  (or  Ceramic)  200  V  1 

0.1  (iF  10%  Ceramic  or  Mylar  63  V  4 

1  (iF  10%  Ceramic  100  V  1 

2  |xF  10%  Polyfilm  100  V  (Electrocube  230B1B205K)  2 
10  m-F  10%  Tantalum  Electrolytic  25  V  3 
2  to  10  jiF  10%  Polyfilm  100  V  2 
220  or  330(iF  10%  Aluminum  Electrolytic  100  V  2 

Miscellaneous: 

Form-C  Reed  Relay  (Coto  22 1 1  -1 2-300)  1 

Thermalloy  6100B  Heatsink  for  the  Driver  Transistors  2 

Extra  Large  Finned  Heatsink  for  the  IGBT  Output  Stage  1 

Insulating  Pads  for  the  IGBTs  2 

5-Pin  Molex  Header  0.156  Inch  Pin  Spacing  1 

7-Pin  Molex  Header  0.156  Inch  Pin  Spacing  1 

3-Pin  Molex  Header  0.100  Inch  Pin  Spacing  1 

Right  Angle  RCA  Jack  1 

Amplifier  evaluation  PC  Board3  1 


R24.  R25 

Rl9.  F>20 

R7 
Re 

R3.  Ri3-R,6.  R2: 

R22 

Rio 

Re 
R12 
R21 
R„ 

R,7 
R-18 

R4 

R5'  R9 
Rn,  R2 
VR, 

C6,  C7 

c3 

C4,  C5,  C8,  C10 

c„ 

C12/  C13 
K, 


1  First  choice  substitution  is  NEC  2SC2682;  second  choice  Toshiba  2SC2238B.  Note  correct  pinouts. 
2First  choice  substitution  is  NEC  2SA1142;  second  choice  Toshiba  2SA968B.  Note  correct  pinouts. 
'Available  to  qualified  OEMs.  Contact  local  ADI  sales  office  for  details. 
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APPLICATION  NOTE 


Bootstrapped  IC  Substrate  Lowers  Distortion  in  JFET  Op  Amps 

by  Walt  Jung 


INTRODUCTION 

Among  the  more  popular  IC  op  amps  used  today  are 
standard  process  junction  isolated  FET  types  (JFETs). 
These  amplifiers  typically  use  a  pair  of  differential 
P-channel  FETs  at  the  input,  with  remaining  stages  of 
bipolar  NPN/PNP  transistors.  Specs  typical  for  the  better 
of  these  devices  are  largely  good  to  excellent.  For  exam- 
ple, the  input  currents  are  only  a  few  pA  at  room  temper- 
ature, the  common-mode  rejection  is  quite  good  (albeit 
below  that  of  the  best  all-bipolar  op  amps),  and  they  can 
have  excellent  dynamics.  On  the  whole,  these  attributes 
make  for  low  overall  dc  errors  and  generally  good  ac 
performance.  In  terms  of  total  harmonic  distortion  (THD) 
performance,  it  can  be  as  low  as  0.001%  (10  ppm)  over 
the  audio  range  for  some  applications. 

THE  PROBLEM  OF  NONLINEAR  INPUT  CAPACITANCE 

However,  there  is  one  factor  which  can  cause  rapid 
deterioration  of  JFET  op  amp  THD  performance,  when 
operated  from  high  source  impedances.  This  is  a  phe- 
nomenon of  distortion  increase  with  increasing  input 
signal  rate-of-change,  due  to  nonlinearity  of  the  capaci- 
tance seen  at  the  two  inputs.  Since  junction  isolated  ICs 
use  isolation  "pockets"  or  "wells"  to  host  the  subject 
differential  pair  of  P-channel  FETs,  there  will  necessarily 
exist  parasitic  capacitance  from  the  three  FET  terminals 
to  the  IC  substrate.  Logically,  the  most  troublesome  of 
the  three  terminals  is  the  gate,  due  to  the  high  source 
impedances  which  can  potentially  be  seen  externally.  A 
typical  input  capacitance  at  the  inputs  of  a  JFET  IC  is 
3  pF-5  pF,  and  is  seen  from  Pins  2  and  3  to  the  substrate 
(normally  Pin  4). 

This  parasitic  substrate  capacitance  has  a  nonlinear  be- 
havior as  a  function  of  applied  CM  voltage.  Like  the  C/V 
characteristics  of  discrete  FETs  and  bipolar  transistors, 
the  capacitance  is  minimum  at  higher  bias  voltages. 
Thus  in  an  op  amp  application  with  a  given  CM  input 
level,  this  suggests  operating  at  the  highest  practical 
supply  voltage  within  rating  to  minimize  the  effect.  The 


input  capacitance  varies  on  an  instantaneous  basis  with 
the  applied  ac  CM  voltage,  and  with  a  high  impedance 
source,  can  generate  high  levels  of  distortion. 

For  JFET  amplifier  stages  which  operate  as  high  source 
impedance  followers,  the  CM  input  signal  variation  can 
give  rise  to  excessive  THD.  Here,  "high  impedance"  is 
qualified  as  50k  or  greater,  an  approximate  threshold 
where  this  distortion  begins  to  be  easily  detectable  at 
audio  frequencies.  For  source  impedances  of  0.1  M!!  to 
1  M!>,  the  distortion  can  be  as  high  as  several  tenths  of  a 
percent  in  the  audio  band. 

The  distortion  is  most  easily  seen  as  a  6  dB/octave  rise 
in  second  harmonic  distortion  using  a  fixed  level  fre- 
quency sweep.  The  exact  magnitude  will  vary  with  the 
device  in  use,  and  the  specific  combination  of  operating 
level,  loading,  supply  voltages,  and  relative  source 
impedance(s). 

The  designer  has  control  over  many  of  these  circuit 
issues,  and  to  some  extent  they  can  be  optimized.  One 
beneficial  step  which  can  lower  frequency  dependent 
distortion  products  is  the  use  of  input  impedance  com- 
pensation, a  technique  which  ideally  balances  the 
source  R/C  components  at  the  two  amplifier  inputs.1 
When  used,  this  compensation  serves  to  minimize  the 
nonlinear  effects  of  FET  input  amplifier  common-mode 
capacitance. 

To  implement  it,  an  optional  feedback  resistance  "RS2" 
is  used  in  the  circuit,  where  Rs2  is  simply  made  equal  to 
the  net  nominal  source  impedance,  "RS1".  In  the  Fig- 
ure 1  example  circuit,  RS1  is  a  fixed  500k  resistor  inserted 
for  testing  purposes.  ...  in  a  real  application,  Rs,  could 
in  fact  be  an  inseparable  part  of  the  source.  If  the  source 
is  also  capacitive,  a  compensatory  feedback  capacitance 
can  be  used  in  addition  to  RS2.  This  technique  can  be 
effective  in  terms  of  lowering  distortion  due  to  nonlinear 
input  capacitance. 
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MINIMIZING  NONLINEAR  INPUT  CAPACITANCE 
EFFECTS 

Unfortunately,  there  are  still  situations  where  it  is  desir- 
able to  operate  a  noninverting  amplifier  with  unbal- 
anced feedback/source  impedances,  but  yet  maintain 
minimal  signal  degradation  in  terms  of  noise/distortion. 
For  example,  the  source  impedance  may  simply  be  un- 
known. If  it  is  higher  than  a  few  hundred  kfi,  a  JFET  IC 
op  amp  is  desirable  from  a  noise  standpoint,  because  of 
the  low  current  noise.  But,  at  the  same  time,  it  is  unde- 
sirable from  a  distortion  point  of  view  due  to  the  input 
C/V  nonlinearity. 

Figure  1  shows  how  a  high  performance  JFET  input  op 
amp  can  be  used  in  a  circuit  that  reduces  the  nonlinear 
effects  of  CM  input  capacitance  by  bootstrapping  the 
amplifier  substrate.  In  this  circuit  stage  U1  is  an  AD744,  a 
low  distortion  JFET  input  op  amp,2  which  determines 
the  circuit's  basic  input  characteristics.  As  will  be  shown, 
the  AD744  is  not  unlike  other  JFET  devices,  and  distorts 
with  unbalanced  high  Z  inputs  due  to  nonlinear  input 
C/V.  When  bootstrapped  most  effectively,  however,  the 
distortion  due  to  input  C/V  nonlinearity  can  be  reduced 
below  the  residual  noise  level. 


100..F/25V 

4 

-15V  \y 

Figure  1. 

With  U1  loaded  as  shown  by  only  the  high  impedance 
input  (  +  )  of  buffer  amp  U2,  it  has  virtually  zero  cur- 
rent drive  requirements.  This  factor  helps  to  maximize 
overall  load  dependent  linearity,  as  well  as  to  aid  the 
bootstrapping  action.  Stage  U2  provides  primarily  a 
high  current  output,  which  in  this  application  is  an 
AD811AN,3  a  high  performance  transimpedance  ampli- 
fier used  here  as  a  voltage  follower  buffer.  Designed 
primarily  for  video  use,  the  AD811's  relevant  specs  are  a 
slew  rate  of  2500  V/u.s,  a  bandwidth  of  120  MHz,  and 
100  mA  of  output  current.  These  factors  enhance  this 
circuit  by  providing  both  high  and  linear  load  drive  ca- 
pability, for  loads  of  600  fi  and  below. 

Because  the  buffer  amplifier  U2  eliminates  the  output 
stage  current  variations  in  U1,  the  bootstrap  transistor 
Q1  can  more  effectively  deliver  bootstrap  correction 
voltage  to  Pin  4  of  U1.  U1  is  operated  in  a  near  ideal 
fashion  with  regard  to  loading,  a  factor  which  enhances 
linearity. 
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DESIGN  FACTORS 

The  design  as  shown  in  Figure  1  operates  at  an  overall 
voltage  gain  "G"  set  by  R1  and  R2  just  as  in  a  conven- 
tional noninverting  amplifier,  or: 


R1 
R2 


+  1 


(1) 


As  is  noted  from  the  figure,  there  is  also  a  separate 
resistor  divider  from  the  output  of  U2  to  the  V-rail, 
R3/R4.  This  divider  feeds  back  a  portion  of  the  buffered 
U1  output  signal  from  U2  to  the  negative  supply  pin  of 
U1,  Pin  4.  With  the  two  feedback  dividers  R1/R2  and 
R3/R4  matched  in  ratio,  this  has  the  net  effect  of  driving 
the  U1  substrate  with  a  signal  equal  to  that  at  the  (  +  ) 
input.  As  a  result  of  reducing  the  voltage  across  the 
input  capacitance,  it  is  then  effectively  reduced.  Note 
that  for  overall  stability,  the  feedback  via  R3-R4  must  be 
less  than  that  of  R1-R2.  This  will  be  so  if  this  inequality 
is  satisfied: 

A3  /?1 

—  a  —  (2) 
R4  R2 

It  should  be  noted  that  this  bootstrap  technique  is  most 
effective  at  gains  of  5  or  more,  because  the  R3/R4  divider 
tends  to  reduce  the  U1  supply  voltage,  and  thus  limits 
dynamic  range.  In  the  design  process  the  standard  gain 
expression  is  used  for  G,  then  R3/R4  are  selected  to 
satisfy  Equation  2.  Here,  with  G  equal  to  5.12,  R3/R4  are 
simply  selected  for  a  ratio  similar  to  this. 


PERFORMANCE 

With  these  design  and  device  selection  factors,  the  boot- 
strapped composite  amplifier  performance  is  remark- 
able considering  its  modest  complexity.  The  following 
tests  operated  the  Figure  1  circuit  at  ±15  V  supplies  and 
a  500  kfi  source  for  Rsl,  and  no  compensation  was  used 
at  RS2- 

For  reference,  the  THD  of  a  similar  but  nonbootstrapped 
circuit  (i.e.,  Q1  jumpered)  was  about  0.1%  at  10  kHz  at  a 
3  V  rms  output  level  from  U2,  varying  from  a  low  of 
0.01%  at  1  kHz  to  as  high  as  0.2%  at  20  kHz.  At  a  fixed 
signal  frequency  of  10  kHz,  Photo  1  shows  this  second 
harmonic  distortion,  at  a  level  of  0.1%.  The  upper  trace  is 
the  U2  output,  while  the  lower  trace  is  the  distortion 
analyzer  output  set  to  a  resolution  of  0.3%  full  scale. 


Photo  7.  Output  Signal  (Top)  and  Distortion  Compo- 
nents (Bottom,  0.3%  Full  Scale).  Conditions:  Vs  ±  15  V, 
Figure  1  Circuit,  Without  Bootstrapping,  3  V  rms  Out. 

In  contrast.  Photo  2  shows  the  distortion  under  boot- 
strapped conditions,  with  a  resolution  of  0.03%  full  scale 
for  the  lower  trace.  In  this  case  the  harmonic  distortion 
has  essentially  disappeared  into  the  residual  noise,  indi- 
cating the  potency  of  the  bootstrap  circuit. 

UNBUFFERED  BOOTSTRAP 

It  is  worthwhile  to  note  that  the  basic  principle  of  this 
bootstrap  will  still  operate  to  some  degree  without 
buffer  amplifier  U2,  that  is  with  U1  driving  the  load 
direct.  However,  the  distortion  null  will  not  be  as  deep  as 
it  is  shown  in  Photo  2,  and  it  will  also  vary  with  loading. 


Photo  2.  Output  Signal  (Top)  and  Distortion/Noise  Com- 
ponents (Bottom,  0.03%  Full  Scale).  Conditions:  Vs 
±  15  V,  Figure  1  Circuit,  With  Bootstrapping,  3  V  rms  Out. 
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Photo  3.  Output  Signal  (Top)  and  Distortion  Compo- 
nents (Bottom,  0.1%  Full  Scale).  Conditions:  Vs  ±15  V, 
Unbuffered  ill  in  Figure  1  Circuit,  With  Bootstrapping, 
3  V  rms  Out. 

Photo  3  shows  this  condition,  where  U1  drives  the  boot- 
strap divider  directly,  and  the  THD  measures  0.03%, 
using  a  scale  factor  of  0.1%  in  the  lower  trace.  For  this 
example,  this  represents  about  a  10  dB  distortion  reduc- 
tion over  the  same  circuit  conditions  without  the 
bootstrap. 

The  deterioration  of  distortion  null  is  because  U1  is 
called  upon  to  deliver  output  current,  which  must  pass 
through  Q1.  The  VBE  of  bootstrap  transistor  Q1  will  then 
change  with  U1  load  current,  degrading  the  bootstrap 
tracking  of  the  input  drive  to  U1.  The  circuit  selection 
choice  is  a  trade-off  between  simplicity  and  less  perfor- 
mance for  the  unbuffered  case,  versus  the  complexity  of 
an  additional  IC,  but  much  greater  overall  performance 
for  the  fully  optimized  Figure  1  version. 


APPLICATION  TIPS 

For  other  operating  hints,  maximum  output  will  be  a 
function  of  the  power  supplies,  and  will  be  7  V  rms  or 
more  with  the  ±15  V  supplies  used  here.  For  supply 
voltages  of  ±12  V  or  more  a  clip  on  heat  sink  is  recom- 
mended when  the  AD811AN  is  used  for  U2  (Aavid  5801). 
For  low  impedance  loads,  the  supplies  should  be  well 
bypassed  with  large  electrolytics,  returned  to  the  load 
common  point. 

Finally,  it  should  be  noted  that  the  general  principles  of 
the  nonlinear  CIV  input  characteristic  distortion  mecha- 
nism apply  to  virtually  all  JFET  input  IC  op  amps  avail- 
able today,  independent  of  their  source.  Bipolar  input  op 
amps  built  on  junction  isolated  processes  can  also  be 
subject  to  the  phenomenon,  and  may  also  benefit  from 
bootstrapping.  However  they  are  not  as  likely  to  be  used 
with  large  source  impedances  where  the  distortion  mag- 
nitudes become  a  serious  problem,  as  is  true  in  the  case 
of  JFET  op  amps. 
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AD2XX  Family  for  RS-232  Communications 
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The  AD230-AD241  is  a  product  line  specifically  designed 
for  RS-232  communications  applications.  All  parts  in  the 
product  line  meet  or  exceed  the  standard  requirements 
and  offer  superior  performance  in  many  areas.  The 
present  RS-232  requirements  include  conformance  to 
the  EIA-232D  standard,  low  power  consumption,  low 
cost,  high  reliability  and  operation  from  a  single  +5V 
power  supply. 

The  AD2XX  family  of  interface  products  meets  this  need 
by  integrating  RS-232  drivers,  RS-232  receivers  and  a 
charge  pump  voltage  converter  onto  the  same  chip. 
CMOS  technology  is  used  to  keep  the  power  consump- 
tion to  an  absolute  minimum.  In  addition,  some  mem- 
bers of  the  family  feature  a  shutdown  or  sleep  mode 
which  can  be  used  to  disable  the  devices  thereby  reduc- 
ing the  power  consumption  even  further. 
The  AD2XX  family  is  designed  to  meet  the  EIA-232D 
specifications  while  operating  from  a  single  +5  V  power 
supply.  This  is  achieved  by  the  use  of  an  on-chip  voltage 
doubler. 

Older  generation  RS-232  drivers  required  three  separate 
power  supplies:  +5  V,  +12  V  and  -12  V.  This  resulted  in 
large  bulky  power  supply  units.  Linear  voltage  regula- 
tors tend  to  be  inefficient  and  are  wasteful  of  power. 
This  is  especially  a  problem  in  today's  portable  equip- 
ment which  operates  with  battery  powered  supplies. 
Ideally  a  single  power  supply  should  be  used  which  can 
easily  be  derived  from  a  battery  pack.  Switch  mode  reg- 
ulators can  achieve  this  and  are  efficient  in  terms  of 
useful  power  but  again  can  be  quite  bulky,  a  serious 
drawback  in  portable  equipment.  In  addition  to  this, 
switch  mode  supplies  generate  severe  electrical  noise 
which  requires  careful  screening  in  order  to  conform  to 
strict  EMI  regulations. 

The  AD2XX  solves  all  these  problems  by  operating  from 
a  single  +5V  power  supply.  An  on-chip  charge  pump 
voltage  converter  generates  ±10  V  levels  internally, 
thereby  allowing  the  RS-232  output  levels  to  be  devel- 
oped. The  charge-pump  technique  is  an  extremely  effi- 
cient method  of  stepping  up  the  input  voltage  and  is 
suitable  for  applications  where  the  power  requirements 


are  modest.  It  is  therefore  ideally  suited  to  RS-232-type 
applications. 

CHARGE  PUMP  OPERATION 

The  charge  pump  uses  a  switched,  floating-capacitor 
technique  to  double  and  then  invert  the  input  +5  V  sup- 
ply. This  generates  voltages  of  +10  V  and  -10  V. 

The  voltage  doubler  schematic  is  shown  in  Figure  1, 
while  the  inverter  is  shown  in  Figure  2. 


ov+=2vcc 


Figure  1.  Voltage  Doubler 

The  internal  oscillator  controls  two  phases  of  circuit 
operation. 

During  the  first  clock  phase,  switches  S1  &  S2  are  closed 
causing  capacitor  C1  to  charge  up  to  Vcc  (+5  V). 
During  the  second  phase,  S1  &  S2  are  opened  and  S3  & 
S4  are  closed.  The  negative  terminal  of  CI  is  connected 
to  Vcc  via  S4.  The  voltage  at  V+  is  therefore  Vcc  +  Vcc 
=  2  Vcc.  Capacitor  C3  acts  as  a  reservoir  capacitor  to 
maintain  the  voltage  at  2  Vcc  during  clock  phases  when 
S3  &  S4  are  open.  It  should  be  noted  that  this  reservoir 
capacitor  is  connected  between  V+  and  Vcc  for  opti- 
mum performance. 
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Figure  2.  Voltage  Inverter 
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The  voltage  at  V+  is  2  Vcc  or  +10  V,  and  this  is  then 
used  to  generate  -10  V  using  a  similar  technique  to  that 
already  described.  Again,  during  the  first  clock  phase  S1 
&  S2  are  closed  thereby  charging  C2  up  to  10  V.  During 
the  second  clock  phase,  S1  &  S2  are  opened  and  S3  &  S4 
are  closed.  The  positive  terminal  of  C2  is  connected  to 
GND  via  S3.  This  forces  the  potential  at  V-  to  -10  V. 
Again  the  output  reservoir  capacitor  (C4  in  this  case) 
maintains  the  output  voltage  relatively  constant  for  clock 
cycles  when  S3  &  S4  are  open. 

In  order  to  conserve  board  space,  the  values  of  capaci- 
tors C1  to  C4  can  be  reduced.  Reducing  C1  &  C2  results 
in  higher  output  impedance  on  the  V+  and  V-  supplies, 
while  reducing  C3  &  C4  causes  increased  ripple  on  the 
outputs.  The  increased  output  impedance  &  ripple  is 
most  noticeable  at  high  temperatures,  and  if  operation 
at  extended  temperatures  is  not  required,  then  it  is  per- 
fectly acceptable  to  reduce  the  component  values. 

The  capacitors  on  the  AD233  and  the  AD235  are  inte- 
grated into  the  package,  and  so  no  external  capacitors 
are  required  thereby  reducing  board  space  and  saving 
on  components. 

Transmitter  Outputs 

The  charge  pump  voltages  (±10  V)  are  used  internally  to 
provide  power  for  the  RS-232  drivers.  Under  worst  case 
conditions  of  high  temperatures  and  maximum  loading, 
the  drivers  are  guaranteed  to  provide  ±5  V  levels  on  the 
RS-232  drivers.  Typically  the  outputs  provide  ±9  V  lev- 
els. This  exceeds  the  minimum  levels  and  permits  oper- 
ation well  beyond  the  minimum  RS-232  requirements. 

Slew  rate  of  each  output  is  tightly  controlled  and  is 
limited  to  less  than  30  V/u.s.  This  is  achieved  by 
internal  slew  limiting,  and  there  is  no  need  for  external 
slew  limiting  capacitors  as  is  the  case  with  some  bipolar 
designs. 

Latch-Up  Immunity 

Because  of  the  nature  of  the  environment  in  which  an 
RS-232  link  may  function,  it  is  extremely  important  that 
the  interface  devices  are  capable  of  withstanding  several 
forms  of  abuse.  This  can  take  the  form  of  a  user  attempt- 
ing to  plug  in  the  connector  the  "wrong  way  around." 
This  can  cause  transmitter  outputs  from  the  peripheral 
device  to  become  momentarily  shorted  to  other  trans- 
mitter outputs  on  the  terminal.  The  transmitter  outputs 
on  the  AD2XX  product  line  are  capable  of  withstanding 
shorting  to  ±15  V  with  the  driver  output  at  either  polar- 
ity. This  is  the  highest  continuous  voltage  which  can  be 
present  in  an  RS-232  link. 

The  parts  must  also  be  capable  of  withstanding  signals 
applied  even  when  power  is  removed.  A  peripheral  de- 
vice is  often  plugged  into  the  terminal  serial  port  before 
it  is  powered  up.  Again  the  AD2XX  family  contain  inter- 
nal protection  to  protect  the  device.  In  this  case,  the 
protection  is  on  the  receiver  inputs  and  takes  the  form  of 
passive  resistive  protection.  Passive  protection  has  the 
advantage  that  it  continues  to  operate  even  when  there 
are  no  power  supplies  to  the  device. 


These  protection  schemes  are  also  designed  to  protect 
the  device  if  the  interface  cable  is  incorrectly  wired.  Due 
to  the  confusion  which  surrounds  the  RS-232  interface, 
this  is  an  all-too-likely  possibility.  Some  peripheral  de- 
vices require  signal  crossing  in  the  cable  or  connector, 
while  others  require  a  straight-through  connection.  This 
confusion  is  partly  due  to  the  fact  that  the  initial  specifi- 
cation applied  to  a  terminal-to-modem  interface.  In  prac- 
tice the  RS-232  port  is  used  to  communicate  with  a  wide 
variety  of  peripheral  devices  and  is  not  limited  to  mo- 
dem interfaces. 

Overvoltage  Protection 

The  driver  outputs  are  protected  against  damage  by 
overvoltages  greater  than  ±15  V  on  the  outputs.  This  is 
achieved  by  internal  series  300  ft  resistors  on  each 
transmitter  output.  This  resistor  also  ensures  full  compli- 
ance with  the  EIA  specification  which  requires  a  mini- 
mum power-down  resistance  of  300  ft  on  each  output. 
This  resistor  provides  current  limiting  under  fault  condi- 
tions if  a  powered-up  driver  is  inadvertently  shorted  to 
the  powered-down  driver. 

If  for  any  reason  there  is  a  requirement  for  even  greater 
protection  than  is  inherent  in  the  device,  then  this  may 
be  applied  externally.  For  protection  against  voltages  in 
excess  of  ±15  V  on  the  transmitter  outputs,  external 
series  resistors  may  be  used.  A  series  100  ft  resistor  will 
provide  protection  up  to  ±20  V.  This  is  the  simplest 
scheme,  but  it  causes  a  slight  degradation  of  the  output 
voltage  swing  due  to  the  higher  output  impedance.  This 
is  not  normally  a  problem  as  the  output  levels  are  well 
above  the  minimum  RS-232  voltage  level  requirements. 

AD2XX 


Figure  3.  Resistor  Protection  to  ±20  V  for  transmitter 
Outputs 

Another  form  of  overvoltage  protection  uses  Tran- 
Zorbs.*  These  devices  function  as  transient  voltage  sup- 
pressors and  should  be  connected  between  the  output 
and  GND. 


AD2XX 


Figure  4.  TranZorb  Protection  for  Transmitter  Outputs 

•TranZorb  is  a  registered  trademark  of  General  Semiconductor 
Industries,  Inc. 
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As  the  outputs  signal  may  swing  either  positive  or  neg- 
ative, a  bidirectional  TranZorb  should  be  used.  This  es- 
sentially contains  two  TranZorbs  connected  back  to 
back.  This  scheme  will  provide  voltage  clamping  at  the 
TranZorb  breakdown  voltage  for  both  positive  and  neg- 
ative excursions.  Effective  spike  suppression  is  also 
achieved  due  to  the  extremely  fast  TranZorb  response 
time.  A  suitable  TranZorb  clamp  rating  for  this  applica- 
tion is  ±10  V.  This  protection  scheme  does  not  degrade 
the  output  voltage  swing  as  the  previous  scheme  did. 

The  receiver  inputs  must  also  be  capable  of  withstand- 
ing excessive  input  signal  voltages.  The  AD2XX  family 
are  protected  against  overvoltages  of  up  to  ±30  V.  This 
exceeds  the  RS-232  specification  of  ±25  V.  If  even  higher 
levels  of  protection  are  required,  then  this  can  be  pro- 
vided externally  by  TranZorbs.  A  suitable  clamp  rating 
for  this  application  is  ±22  V. 
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Figure  5.  TranZorb  Protection  for  Receiver  Inputs 
Noise  Immunity 

An  RS-232  interface  link  is  susceptible  to  noise  pick  up 
from  the  surrounding  environment.  The  longer  the  link 
the  more  susceptible  it  becomes  to  outside  interference. 
This  is  especially  a  problem  in  electrically  hostile  envi- 
ronments such  as  in  a  heavy  industrial  plant  where  large 
glitches  can  be  injected  or  coupled  onto  the  transmis- 
sion line.  These  glitches  can  cause  erroneous  data  re- 
ception by  the  RS-232  receiver.  The  AD2XX  product  line 
is  designed  to  cope  with  noisy  environments  by  the  use 
of  special  on-chip  filtering  circuitry  on  the  receiver  in- 
puts. These  filters  reject  fast  transient  noise  glitches  up 
to  1  u.s  in  duration.  In  addition,  further  noise  immunity  is 
achieved  by  the  use  of  Schmitt  trigger  inputs  having 
0.5  V  of  hysteresis.  The  result  is  a  much  improved  data 
link  offering  superior  reliability  and  error-free  communi- 
cation even  with  severe  external  noise. 

Using  an  External  +12  V  Supply 

If  an  external  +12  V  power  supply  is  available  in  a  sys- 
tem as  well  as  +5V,  then  the  internal  voltage  doubler 
may  be  made  redundant  thereby  saving  two  capacitors 
on  the  charge  pump  voltage  doubler.  The  power  require- 
ments on  the  +5  V  supply  will  also  be  reduced.  If  this 
scheme  is  used,  then  it  is  important  that  the  correct 
power-up  sequence  be  observed.  The  +12  V  supply 
should  be  powered  up  before  the  +5V  supply.  This  is 
generally  the  case  in  non-PC  systems  where  the  +5  V 
supply  is  derived  from  the  +12  V  supply  using  a  7805 
type  regulator. 

If  this  sequence  cannot  be  guaranteed,  then  a  general 
purpose  diode  (1N914  or  equivalent)  should  be  con- 
nected in  series  with  the  +12  V  supply.  This  is  illustrated 
in  Figure  6.  The  purpose  of  the  diode  is  to  prevent  cur- 


rent backfeeding  from  Vcc  and  out  the  V+  line.  Substan- 
tial fault-current  could  flow  into  a  low  impedance  12  V 
supply  if  this  becomes  a  low  impedance  node  when  off. 
Under  these  conditions  the  diode  will  prevent  the  fault- 
current  from  flowing.  Under  normal  conditions  the  di- 
ode is  forward  biased  and  has  no  effect. 
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Figures.  External +12  V  Supply 
Driving  a  Mouse 

One  of  the  most  popular  uses  of  a  serial  port  on  a 
personal  computer  is  as  a  mouse  interface.  With  the 
widespread  acceptance  of  Windows,*  a  mouse  has  be- 
come an  essential  user  interface  tool.  The  older  genera- 
tion of  mice  interfaced  to  the  PC  using  the  serial 
communications  port  and  generally  required  an  external 
power  supply  to  power  the  mouse  hardware.  The  latest 
generation  of  mice  use  CMOS  technology,  and  it  is  pos- 
sible to  power  these  devices  directly  from  the  communi- 
cations port.  In  other  words,  the  RS-232  transmitters 
should  be  capable  of  providing  sufficient  power  to  the 
mouse. 

With  a  mouse  connected,  communication  is  in  one  direc- 
tion only,  i.e.,  from  the  mouse  to  the  PC.  Therefore  the 
transmitter  outputs  on  the  serial  port  are  not  required 
for  communication  purposes.  Instead,  these  are  used  as 
a  power  supply  for  the  mouse.  The  mouse  driver  soft- 
ware sets  up  these  transmitter  outputs  at  permanently 
positive  or  negative  levels  as  required  by  the  mouse 
hardware.  The  transmitter  outputs  must  therefore  sup- 
ply sufficient  current  drive  to  power  the  mouse.  The 
power  requirements  are  higher  than  those  required  by  a 
standard  RS-232  load.  With  the  minimum  RS-232  load, 
,  the  driver  must  maintain  ±5  V  levels  giving  a  cur- 
e  of  ±2  mA. 

In  order  to  drive  a  mouse,  however,  greater  current  must 
be  available.  A  typical  mouse  will  require  approximately 
5  mA  on  a  driver  output.  The  AD2XX  product  line  is 
designed  to  maintain  ±5  V  output  levels  with  a  current 
drain  of  5  mA  on  each  driver  output. 

There  is  a  considerable  variation  in  power  requirements 
between  mice  from  different  manufacturers,  and  some 
mice  may  require  even  greater  current  drive.  This  may 

•Windows  is  a  registered  trademark  of  Microsoft  Corp. 
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be  achieved  by  connecting  two  transmitters  in  parallel 
thereby  doubling  the  effective  current  available.  How- 
ever, with  the  vast  majority  of  mice  this  will  not  be 
necessary. 

TYPICAL  APPLICATIONS 

The  AD230-AD241  family  contain  a  variety  of  transmit- 
ter/receiver combinations  which  will  satisfy  all  commu- 
nications needs.  Some  of  the  products  are  general 
purpose  devices  which  are  suitable  for  a  wide  range  of 
differing  applications.  Others  contain  the  exact  combina- 
tion of  drivers/receivers  for  a  particular  function.  One  of 
the  simplest  RS-232  communication  links  uses  5  signal 
lines  and  may  be  implemented  using  a  single  AD232 
device.  This  is  illustrated  in  Figure  7. 

More  complex  interfacing  schemes  use  a  greater  num- 
ber of  transmitters  and  receivers.  A  complete  RS-232 
implementation  designates  22  signal  lines.  This  includes 
secondary  data  channels  as  well  as  provision  for  syn- 
chronous transmission.  This  has  led  to  a  certain  amount 
of  confusion  and  incompatibility  problems  between  RS- 
232  terminals. 

In  practice,  most  of  these  lines  are  redundant.  As  a 
result,  the  industry  has  formed  a  de  facto  "standard" 
using  eight  signal  lines.  This  has  been  shown  to  be 
perfectly  adequate  for  most  communication  needs.  Most 
modern  personal  computers  have  adopted  this  standard 
and  contain  a  pair  of  9-pin  serial  ports  rather  than  the 
25-pin  DB25  connector  which  can  be  found  on  older 
machines.  These  9-pin  serial  ports  contain  8  signal  lines 
and  a  ground  terminal.  The  signal  lines  are  made  up 
from  three  transmitters  and  five  receivers.  This  forms  a 
small  subset  of  the  original  22  signal  lines.  Only  the 


most  important  RS-232  signals  are  used.  The  signal  des- 
ignations and  their  functions  are  described  below. 


Pin  No. 

Function 

Source 

Abbreviation 

1 

Data  Carrier  Detect 

DCE 

DCD 

2 

Received  Data 

DCE 

RXD 

3 

Transmitted  Data 

DTE 

TXD 

4 

Data  Terminal  Ready 

DTE 

DTR 

5 

Signal  Ground 

6 

Data  Set  Ready 

DCE 

DSR 

7 

Request  to  Send 

DTE 

RTS 

8 

Clear  to  Send 

DCE 

CTS 

9 

Ring  Indicator 

DCE 

Rl 

The  function  of  each 


of  these  signal  lines  is  as  follows: 


Function 


Description 


Transmitted  Data 
Received  Data 
Request  to  Send 

Clear  to  Send 

Data  Set  Ready 
Data  Terminal  Ready 
Data  Carrier  Detect 
Ring  Indicator 
GND 


From  the  DTE  to  the  DCE 
From  the  DCE  to  the  DTE 
A  signal  from  the  DTE  to  the 
DCE  indicating  that  it  wishes  to 
transmit  data 

A  signal  from  the  DCE,  in  re- 
sponse to  a  RTS,  that  it  now  can 
send  the  data 

The  DCE  telling  the  DTE  that  it  is 
connected  to  the  telephone  line 
The  DTE  telling  the  DCE  that  it  is 
ready  to  transmit  or  receive  data 
The  DCE  telling  the  DTE  that  it  is 
receiving  valid  signals 
The  DCE  telling  the  DTE  that  it 
has  detected  an  incoming  call 
Ground  Reference 


10lv  "T" 

6.3V  j± 


4.7(.F  i 
6.3V  T  3 


16V  -T 


cn 

vcc 

C1- 

+5Vto+10V 

VOLTAGE  DOUBLER 

C2t 

+10Vto-10V 

C2- 

VOLTAGE  INVERTER 

V- 




-4 


AD232 


3  !tvF 


- 


DATA  TERMINAL  READY  (DTR) 
TRANSMIT  DATA  (TXD) 
REQUEST  TO  SEND  (RTS) 


 O 


RECEIVE  DATA  (RXD) 


CLEAR  TO  SEND  (CTS) 


Figure  7.  Minimum  RS-232  Link  Using  the  AD232 
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The  AD241  is  suitable  for  this  9-pin  implementation  as  it 
contains  sufficient  drivers/receivers  to  meet  the  require- 
ments in  a  single  package.  A  typical  application  showing 
the  AD241  is  illustrated  in  Figure  8. 

A  typical  communications  sequence  is  as  follows.  The 
UART  in  the  terminal  (DTE)  turns  on  the  Request  to  Send 
(RTS)  line.  This  signals  the  peripheral  (DCE)  that  the 
terminal  wishes  to  send  data.  The  peripheral  responds 
with  a  Clear  to  Send  (CTS)  signal.  The  terminal  now 
starts  transmitting  data  on  its  data  (TXD)  line.  When 
transmission  is  complete,  the  terminal  turns  off  the  RTS 
line.  In  response  to  this,  the  peripheral  turns  off  CTS  and 


the  link  is  terminated. 


Figure  9  shows  a  different  type  of  interface  where  a  high 
resolution  Analog  to  Digital  Converter  is  interfaced  to  a 
personal  computer  using  the  RS-232  port.  This  circuit 
forms  part  of  a  remote  data  acquisition  system.  The 
remote  ADC  transmits  serial  data  back  to  a  personal 


computer  for  analysis.  In  this  case  therefore,  the  ADC 
acts  as  the  peripheral  device.  This  interface  differs  from 
the  previous  examples  in  that  it  shows  the  RS-232  inter- 
face device  located  at  the  peripheral  end  of  the  link. 
There  will  of  course  be  a  similar  RS-232  arrangement 
located  at  the  PC  end. 

The  ADC  chosen  is  a  high  resolution  converter  featuring 
an  asynchronous  UART  compatible  interface.  Operation 
of  the  interface  is  as  follows.  The  DRDY  output  from  the 
AD7701  ADC  signals  the  terminal  that  the  conversion  is 
complete  and  data  is  ready.  In  response  to  this,  the 
remote  terminal  activates  the  DTR  line.  This  indicates 
that  the  terminal  is  ready  and  this  line  is  used  as  a  chip 
select  for  the  AD7701.  This  initiates  the  data  transfer. 
The  data  is  then  transmitted  as  two  serial  bytes  in  UART 
compatible  format. 
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Figure  8.  Complete  RS-232  Link  Using  the  AD241 
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Figure  9.  Remote  Data  Acquisition  System  Using  the  AD241  and  AD7701 
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A  simple  Basic  program  to  illustrate  the  data  collection 
follows. 

This  program  reads  the  input  data  from  the  serial  port 
and  displays  the  received  binary  data  in  HEX  format  on 
the  screen.  It  assumes  that  the  data  is  being  received  on 
COM1.  The  serial  baud  rate  is  set  at  1200  in  line  20.  The 
next  line  defines  a  text  string  which  sets  up  the  data 
format  and  control  line  status  of  the  COM1  serial  port. 
The  text  string  is  then  used  to  open  a  data  buffer  for  the 
port  into  which  two  bytes  are  read.  The  data  is  read  in 
two  8-bit  bytes  and  these  are  then  concatenated  to  form 
a  single  16-bit  result  which  is  converted  into  HEX  format. 
This  is  then  printed  on  the  screen.  The  serial  port  is  then 
terminated  by  closing  the  data  buffer.  Note  that  the 
buffer  must  be  opened  and  closed  in  order  that  the  serial 
port  control  lines  follow  the  correct  sequence.  The  pro- 
gram loops  back  to  the  start  and  the  reading  sequence  is 
repeated  continuously. 

For  more  information  on  the  interface  and  on  the 
AD7701  Analog  to  Digital  Converter,  the  reader  is  re- 
ferred to  an  application  note  "Evaluation  Board  for  the 
AD7701/AD7703  Sigma  Delta  A/D  Converter"  published 
by  Analog  Devices,  publication  number  E1483-15-1  2/90. 
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CLS 

BR$  =  "1200" 

COMFIL$=  "COM1  :  "  +  BR$+",  N,  8,  2,  RS,  CS,  DS,  CD" 
OPEN  COMFIL$AS#1 
FIELD  1,  2  AS  D$ 
GET  #1,  2 

A$  =  HEX$  (ASC  (  MID$  (D$,  1,1))) 

B$  =  HEX$  (ASC  (  MID$  (D$,  2,  1))) 

IF  LEN  (A$)  =  1  THEN  A$  =  "0"  +  A$ 

IF  LEN  (B$)  =  1  THEN  B$  =  "0"  +  B$ 

Y$  =  A$  +  B$ 

LOCATE  12,  20  :  PRINT  Y$ 

CLOSE  #1 

GOTO  40 

END 
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This  note  describes  the  use  of  the  RPT-82  and  the  RPT-83, 
PCM  carrier  repeater  integrated  circuits,  which  perform  all  of 
the  active  functions  required  for  a  regenerative  repeater 
operating  at  1.544-2.048  Megabits  per  second  (Mbps)  data 
rates  on  PCM  lines. 

Most  of  the  problems  in  digital  voice  transmission  are  caused 
by  the  transmission  medium  itself  rather  than  by  the  transmit 
or  receive  hardware. 

This  is  particularly  true  for  the  most  commonly  used  medium, 
twisted-pair  cable  designed  to  carry  analog  voice-frequency 
signals  in  the  300-  to  3700-Hz  frequency  range. 
As  more  and  more  transmission  routes  are  called  upon  to 
accommodate  digital  data,  it  becomes  important,  in  terms  of 
system  cost  and  installation  time,  to  use  existing  cable  inter- 
changes. As  a  result,  audio-frequency-grade  cable  is  called 
upon  to  transmit  high-speed  digital  data.  This  was  made  pos- 
sible through  the  development  of  digital  regenerators. 
A  digital  regenerator  consists  of  two  repeaters,  one  in  each 
transmission  direction.  Repeaters  receive  digital  data  streams 
and  retransmit  them  to  the  next  receiver  position.  Current 
integrated-circuit  repeaters  eliminate  the  loading  coils  that 
were  originally  used  to  introduce  a  flat-band  response  over 
the  voice  band.  A  T1  repeater  (the  U.S.  standard )  can  accept 
a  degraded  signal,  regenerate  it,  retime  the  pulse  stream,  and 
transmit  it  over  another  6000  feet  of  twisted-pair  cable.  The 
action  taking  place  in  the  regenerative  repeater  stage  is 
depicted  within  the  dashed-line  portion  of  Figure  1.  When 
digital  carrier  repeater  circuits  are  installed,  the  operating 
error  rate  for  carrier  systems  with  audio-grade  cable  pairs  is 
well  within  the  limits  necessary  for  adequate  voice 
communication. 


-TLy — TL  w^m 


Figure  1 :  The  functional  elements  of  a  regenerative  repeater 
section  are  shown  within  the  dashed  line.  The  results  being  a 
re-shaping  of  the  incoming  pulses,  which  in  turn  enables  a 
re-timed  and  regenerated  data  stream. 


Several  different  integrated  circuits  are  being  used  in  the 
latest  generation  of  repeater  equipment.  These  circuits  have 
cut  the  number  of  components  required  to  build  a  digital 
regenerator  while  improving  its  capabilities  and  performance. 

To  grasp  the  concepts  concerning  use  of  the  devices,  it  is 
helpful  to  first  examine  some  of  the  basic  theories  relating  to 
practical  digital  transmission. 

The  present  T1  carrier  uses  bipolar  or  mark  inversion  digital 
format  shown  in  Figure  2.  There  are  several  specific  advan- 
tages provided  by  this  coding  system. 


I 


Figure  2:  In  the  bipolar  (alternate  mark  inversion)  digital 
format,  alternate  1  bits  are  inverted  in  polarity. 

First,  the  maximum  energy  of  the  waveform  is  found  at  one- 
half  of  the  bandwidth  (data-transmission  rate)  of  the  system. 
For  a  binary  code  (see  Figure  3),  the  most  significant  fre- 
quency is  found  at  the  zero  level  rather  than  the  mid- 
frequency.  This  means  that  the  energy  spectrum  encom- 
passes double  the  bandwidth  (3.088  MHz)  of  the  transmission 
rate  for  the  T1  rate.  The  bipolar  scheme  keeps  the  spectrum 
within  the  1  544-MHz  bandwidth  of  the  transmission  system. 
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Figure  3:  The  (alternate  mark  inversion)  bipolar  digital  format 
keeps  the  spectrum  within  the  1.544MHz  bandwidth  of  the 
transmission  system.  The  average  dc  component  on  the 
transmission  pair  is  zero. 
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Another  important  characteristic  of  a  bipolar  code  is  that  the 
average  dc  component  on  the  transmission  pair  is  zero.  This 
is  important  in  regenerator  development  because  it  allows 
the  same  channel  to  be  used  for  data  transmission  and  power 
supply.  An  advantage  of  this  design  approach  is  that  extra 
pairs  for  powering  a  repeater  location  are  not  necessary  with 
a  simplex  power  arrangement. 

Still  another  advantage  provided  by  bipolar  code  is  the  cap- 
ability to  detect  single-bit  errors  within  the  transmitted  data. 
Since  the  sequence  of  pulses  has  alternating  polarity,  the 
absence  of  a  pulse  will  be  received  as  a  bipolar  violation. 
Though  error  bursts  could  produce  incorrect  error  counts,  it 
has  been  purported  that  the  difference  between  the  true 
error  rate  and  measured  error  rate  is  negligible  in  high-error 
channels. 

If  the  error  rate  is  low  enough  to  show  differences  for  burst- 
error  occurrences  versus  single-error  counts,  the  channel 
will  probably  be  performing  well  enough  to  make  the  differ- 
ence unimportant. 

There  are  also  some  problems  associated  with  bipolar  cod- 
ing. For  example,  since  retiming  depends  on  the  incoming 
pulse  stream,  a  long  series  of  zeroes  will  have  a  very  low 
energy  content.  Some  oscillator-resonant  circuit  designs 
may  then  damp  out  completely  and  fail  to  restart.  This  will 
depend  on  the  Q  of  the  circuit. 

Some  carrier  designs  have  moved  to  different  coding  schemes 
to  restrict  the  number  of  zeroes  possible  in  a  legal  transmis- 
sion. In  European  systems  especially,  the  HDB3  code  (high- 
density  bipolar  with  no  more  than  th  ree  zeroes  i  n  succession ) 
has  often  been  incorporated.  In  this  discussion,  however,  the 
straight  bipolar  coding  scheme  will  be  considered  when 


determining  the  relationship  of  the  active  components  within 
the  repeater. 

The  functional  components  of  a  repeater  integrated  circuit 
are  illustrated  in  Figure  4.  The  repeater  amplifies  the  incom- 
ing signal  and  equalizes  the  received  signal  to  compensate 
for  attenuation  distortion  and  phase  distortion.  The  analog 
amplifier  also  has  a  feedback  loop  that  provides  for  a  variable 
amplification  dependent  on  the  threshold  detected  for  the 
incoming  pulses  (either  positive  or  negative).  Either  of  two 
methods  can  be  used  to  obtain  equalization:  in  the  first 
approach,  a  fixed  value  of  cable  attenuation  is  provided;  in 
the  second  approach,  automatic  equalization  can  be  used 
with  constant  modification  taking  place  to  handle  variable 
line  lengths  in  that  transmission  section.  The  monolithic 
approach  provides  an  equalization  network  and  variable  line 
matching  circuitry. 

The  repeater  must  provide  a  timing-recovery  circuit  to 
extract  the  data  transmission  clock  from  the  incoming  pulse 
train.  The  recovery  circuit  will  normally  comprise  a  resonant 
circuit  tuned  to  the  peak  energy  level  of  the  incoming  signal. 
The  resonant  circuit  is  "energized"  by  the  transitions  at  the 
received  channel  with  the  resonant  frequency  dependent  on 
the  Q  of  the  circuit.  A  higher  Q  can  allow  the  circuit  to  remain 
active  through  longer  periods  of  zero  signals  levels.  The 
recovered  timing  pattern  is  then  used  in  the  reproduction  of 
the  incoming  series  of  pulses. 

The  repeater  must  be  capable  of  differentiating  between  a 
data  pulse  and  channel  noise.  The  noise  due  to  adjacent 
channel  pairs  or  interference  due  to  signals  in  adjacent  time 
slots  must  not  negate  the  reception  of  the  proper  incoming 
pulse  sequence.  Jitter  due  to  timing  variations  from  repeater 
section  to  repeater  section  can  disrupt  the  signal  detection 
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Figure  4:  Functional  diagram  of  a  repeater  integrated  circuit  shows  the  equalizer  (to  compensate  for  attenuation  and  phase 
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[  to  provide  variable  amplification  dependent  on  the  detected  threshold. 
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by  causing  pulse  thresholds  to  be  measured  at  the  improper 
intervals.  Pulse  detection  is  accomplished  by  the  detection 
of  proper  threshold  levels  and  correct  timing  intervals.  The 
repeater  then  will  retime  the  detected  levels  to  provide  for  a 
new  pulse  train.  It  is  important  when  retiming  the  waveform 
that  the  input  from  the  threshold  detector  precede  the  timing 


strobe.  This  ensures  that  the  output  pulse  will  follow  the 
reconstructed  timing,  reducing  the  jitter  components. 

The  final  functional  block  necessary  for  the  complete  repeater 
function  involves  the  regeneration  of  the  output  pulses.  The 
buffer  stages  drive  the  output  transformer  to  produce  a  posi- 
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Figure  5:  In  ADI's  RPT-82  and  RPT-83.  equalization  and  amplification  of  the  incoming  pulse  train  takes  place  through  an 
amplifier  with  an  external  network  controlled  by  feedback. 
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Figure  5A:  Voltage  waveforms  at  the  outputs  of  the  various  functional  blocks  within  the  RPT-83  integrated  circuit.  The  output 
pulses  of  the  amplifier  trip  some  combination  of  the  level-detecting  comparators. 
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tive  or  negative  signal  on  the  channel  output  pair.  The  design 
is  such  that,  in  most  instances  (U.S.  and  European),  the 
generated  signals  are  nominally  square  pulses.  Different 
theories  as  to  improving  performance  by  band-limiting  the 
output  stage  have  been  discussed  and,  in  some  instances, 
implemented.  However,  the  majority  opinion  still  seems  to 
favor  the  square-wave  components. 

The  repeater  can  be  considered  a  combination  of  discrete 
yet  interrelated  functions.  The  overall  function  of  the  repeater 
is  the  shaping  of  incoming  pulses,  the  retiming  of  these 
pulses,  and  the  generation  of  an  equivalent  output  stream. 

IC  APPROACH 

In  PMI's  RPT-82  and  RPT-83,  the  equalization  and  amplifica- 
tion of  the  incoming  pulse  train  is  achieved  through  a  bipo- 
lar amplifier  with  an  external  equalization  network  controlled 
by  feedback  from  the  amplifier  outputs  (Figure  5).  The  result 
is  that  the  pulses  peak  so  the  majority  of  the  pulse  amplitude 
is  restricted  to  its  own  time  slot. 

The  automatic  attenuation  of  the  pulses  is  done  by  an  ALBO 
(automatic  line  build-out)  circuit  actuated  through  a  buffer 
circuit  on  chip.  The  output  pulses  of  the  amplifier  will  trip  one 
or  all  of  the  three  level-detecting  comparators.  In  terms  of  the 
ALBO  feature,  if  the  incoming  pulses  exceed  a  specified 
peak-reference  value,  the  comparator  generates  current 
pulses  that  flow  into  the  ALBO  filter  external  to  the  chip  and 
charge  capacitor  Cp 

The  voltage  at  the  ALBO  filter  is  applied,  in  turn,  to  the  base 
of  the  internal  ALBO  buffer  transistor.  The  buffer  will  turn  on 
when  its  base  voltage  exceeds  approximately  1 .7  volts.  This 
ON  voltage'  is  also  specified  in  the  electrical  characteristics 
of  both  the  RPT-82  and  RPT-83.  The  ALBO  diode  acts  as  a 
series  impedance,  normally  much  larger,  and  therefore  the 
dominant  factor,  than  the  shunt  impedance  of  the  external 
network.  As  the  current  increases  at  the  buffer,  the  diode 
impedance  decreases  and  the  shunt  impedance  becomes 
dominant. 

The  overall  effect  is  to  increase  the  ALBO  attenuation  as  the 
filter  voltage  level  increases.  The  result  is  that  the  feedback 
loop  will  adjust  itself  until  the  pulses  out  of  the  preamplifier 
are  equal  to  the  fixed  reference.  The  references  for  the  other 
level  detector  and  rectifier  are  set  at  fixed  ratios  of  this  peak 
reference.  Therefore,  their  thresholds  are  fixed  with  respect 
to  the  pulse  shape  and  relative  amplitude. 

On  the  RPT-83  (not  the  RPT-82),  a  clock  shutdown  circuit, 
which  is  activated  by  the  current  levels  from  the  ALBO 
buffer,  is  also  provided.  This  shutdown  circuit  turns  off  the 
clock  amplifier  at  low  input  levels,  thus  neither  the  regener- 
ated clock  nor  the  strobe  outputs  are  enabled  at  the  output 
buffer  flip-flops.  The  circuit  was  incorporated  to  prevent 
random-noise  pulses  from  being  reproduced  as  valid  output 
pulses.  The  problem,  however,  can  be  that  at  long  line 
lengths  the  correct  signals  are  too  low  in  energy  to  activate 
the  clock  circuit.  Presently,  PMI  has  customers  using  both 
schemes  in  their  repeater  designs. 

The  timing  of  the  circuit  is  based  upon  the  pulsing  of  a 
resonant  tank  circuit.  The  full-wave-rectifier  comparator 
output  pulses  the  tank  network.  The  pulses  try  to  "force"  the 


oscillator  circuit  to  phase  lock  to  the  incoming  pulse  wave- 
form, while  the  tank  attempts  to  resonate  at  its  preset  (with 
external  components)  frequency.  The  result  of  the  two  fac- 
tors is  a  clock  circuit  that  runs  at  an  average  bit  rate  for  the 
incoming  waveforms. 

Again,  the  value  of  Q  for  the  tank  circuit  will  help  determine 
the  oscillator  accuracy.  If  the  Q  is  high,  the  resonant  fre- 
quency dominates  and  it  is  more  difficult  to  phase-lock  to  the 
incoming  pulse  rate.  A  high  Q  circuit  also  changes  consider- 
ably with  the  temperature  and  long-term  component  drift.  A 
Q  value  that  is  too  low  will  cause  adverse  affects  on  the 
oscillator  circuit  by  the  jitter  present  in  the  pulse  stream.  This 
means  the  jitter  will  then  also  be  transferred  to  the  output 
pulse  train  as  well.  For  both  the  RPT-82  and  RPT-83,  Qs  of 
greater  than  75  are  recommended. 

The  logic-threshold  comparator  provides  the  detection  func- 
tion for  incoming  pulses.  For  positive  received  pulses,  a 
negative  pulse  is  generated  on  the  T+  line;  for  incoming 
negative  pulses,  a  pulse  is  sent  on  the  T-  line.  The  clock 
amplifier  "squares"  the  timing  waveform  from  the  oscillation 
circuit  and  produces  a  square  clock  signal  and  a  negative 
strobe  pulse.  The  strobe  pulses  are  'ANDed'  with  the  logic 
outputs  (T+  or  T-)  to  set  the  output  buffer  flip-flops. 

The  strobe  is  coincident  with  the  positive  edge  of  the  clock 
signal  generated  by  the  tank  circuit.  Once  the  appropriate 
f  li  p-f  lop  is  set  by  the  combination  of  the  logic  output  and  the 
strobe  pulse,  the  output  driver  stage  causes  current  to  flow 
through  the  proper  half  of  the  output  transformer,  thus 
regenerating  the  received  bipolar  pulse.  The  falling  (nega- 
tive) edge  of  the  internal  clock  signal  serves  to  reset  the 
output  flip-flops  and  thereby  terminate  the  output  pulse. 
This  is  important  to  prevent  the  regenerated  waveform  from 
following  the  data  threshold  instead  of  the  clocking  circuit. 

One  option  is  made  available  to  users  of  both  the  RPT-82  and 
the  RPT-83.  The  internal  clock  oscillator  can  operate  in 
either  an  injection-locked  mode  or  a  pulsed-tank  mode.  By 
grounding  a  pin  on  the  device,  the  oscillator  is  free-running 
but  is  phase-locked  to  the  full-wave  rectified  output.  With  the 
pin  open,  the  oscillator  will  only  operate  when  pulsed  by  an 
incoming  signal.  The  circuit  then  "rings"  until  the  next 
incoming  pulse  is  received  from  the  rectifier.  In  both  cases, 
the  overall  effect  is  to  phase-lock  the  resonant  circuit  to  the 
average  frequency  of  the  pulse  train. 

The  completed  T1  repeater  may  look  something  like  Figure  6 
in  a  typical  configuration.  The  input  transformer  provides  a 
two-to-one  step-up  from  the  100-ohm  characteristic  impe- 
dance of  the  line.  The  matching  impedance,  in  this  case,  is 
doubled  to  approximately  400  ohms.  A  fixed  attenuation  is 
added  to  provide  a  fixed  line  build-out  of  approximately  6dB. 
The  automatic  build-out  then  provides  a  varying  attenuation 
for  line  lengths  up  to  36dB. 

The  equalization  network  is  added  to  give  the  preamplifier 
higher  gains  at  higher  frequencies.  This  compensates  for  the 
roll-off  characteristics  of  the  preamp  and  the  transmis- 
sion line. 

The  oscillator  tank  circuit  provides  the  resonant  frequency 
for  the  oscillator.  It  is  controlled  by  current  pulses  generated 
as  the  incoming  waveform  is  received. 
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Figure  6:  The  complete  T1  repeater  system  (1.544MHz)  using  the  RPT-83  integrated  circuit.  The  input  transformer  provides  a  2:1 
step-up  from  the  100  ohm  line  impedance. 
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Figure  7:  The  simplex  power  supply  design  consists  of  two  zener  diodes  and  a  diode  float  connected  to  the  center  taps  of  the  line 
transformers.  Nominal  voltages  are  4.4  and  6.8V. 
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Figure  8:  Integrated-circuit  repeaters  can  also  be  used  In  clock-recovery  circuits,  as  shown. 


The  ALBO  filter  aids  in  integrating  the  pulse  output  of  the 
detector.  As  the  voltage  increases,  more  current  flows 
through  the  ALBO  diode,  and  the  line  build-out  is  character- 
istic of  longer  line  lengths. 

The  power-supply  current  is  available  over  the  signal  pair. 
The  simplex  power  design  consists  of  two  zener  diodes  and  a 
diode  float  connected  to  the  center  taps  of  the  line  trans- 
formers (Figure  7).  The  nominal  voltage  values  required  are 
4.4  and  6.8V. 

This  design  meets  the  specifications  called  for  in  a  T1  carrier 
repeater.  The  integrated  circuit  uses  less  than  13mA  total 
current  (both  voltage  supplies).  This  means  the  maximum 
output  current  for  the  total  repeater  circuit  will  be  under 
50mA  at  worst-case  conditions  (all  ones  output  signal). 

A  final  application  of  the  integrated  circuits  is  the  use  of  the 
repeater  device  in  a  clock  recovery  circuit.  Data  transmission 
is  becoming  more  important  in  areas  other  than  long- 
distance digitized  audio.  In  these  instances,  the  capability  of 
recovering  clocking  from  the  data  stream  can  be  advantage- 
ous. This  can  mean  single-pair  connections  that  can  transfer 
data  without  additional  wiring  for  timing  and  clock  signals. 

Using  the  RPT-83  in  conjunction  with  a  precision  compara- 
tor, such  as  the  PMI  CMP-01,  will  provide  a  recovery  scheme 
capable  of  reproducing  a  clock  waveform  from  input  levels 
as  low  as  35mV  peak-to-peak.  Any  system  that  requires  clock 
retrieval  from  a  data  signal  and  synchronization  to  that  signal 
can  use  a  circuit  similar  to  this  design  shown  in  Figure  8. 

The  test  circuit  was  operated  with  an  AMI  incoming  code  at 
frequencies  from  64kHz  up  to  1.544MHz.  In  the  published 
design,  the  incoming  data  waveform  is  capacitively  coupled 


to  an  input  attenuator  using  fixed  external  components  and 
the  internal  ALBO  diode.  Since  the  impedance  at  pin  1  of  the 
device  varies  inversely  with  the  amplitude  of  the  input  signal, 
the  voltage  at  the  preamplifier  input  (through  resistor  R2)  will 
be  held  to  less  than  100mV  peak-to-peak  amplitude.  This 
gives  the  design  an  input  dynamics  range  of  greater  than 
45dB  while  still  producing  a  constant  output  waveform. 

In  the  circuit  shown  in  Figure  8,  tests  show  none  of  the 
external  component  values  to  have  critical  tolerances.  The 
design  can  be  used  to  recover  clocking  from  an  incoming 
data  stream— again  a  capability  that  has  proven  advanta- 
geous for  designers  of  data  interfaces  in  many  areas  other 
than  telecom  carrier  exchanges. 
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Figure  8A:  Show  the  voltage  waveforms  within  the  circuit. 
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A  Variable-Frequency  Clock-Recovery  Circuit  Using  the  RPT-82  or  RPT-83 


This  note  describes  a  high-performance  clock-recovery  cir- 
cuit, employing  an  RPT-83  repeater  IC  and  a  CMP-01  IC 
comparator,  which  helps  derive  a  clock  pulse  from,  and  syn- 
chronizes it  with,  an  incoming  data  signal.  The  circuit 
accepts  a  low-level  bipolar  pulse  train  (35mV  peak-to-peak, 
minimum)  while  producing  a  usable  recovered  clock  signal. 
Since  the  circuit  also  accepts  high-level  inputs  (1 0V  peak-to- 
peak,  minimum),  it  can  attain  a  49-dB  dynamic  range. 

The  RPT-83  chip  is  conventionally  connected,  except  that 
input  and  output  transformers  are  not  required  and  the 
(internal)  output  transistors  are  left  as  an  open  circuit  (Fig- 
ure 1).  The  recovered  clock  signal  is  picked  off  the  RPT-83's 
clock  amplifier  (pins  11  and  12)  by  the  CMP-01  comparator. 


j  TANK  CIRCUIT  IS  TUN  EO  TO  1534  MHz 

LI  =  50iiH 


The  comparator's  output  is  basically  a  square  wave  at  the 
data  rate  frequency  (which,  for  this  example,  is  the  T1  trans-  I 
mission  frequency  of  1.544  Mbits/s).  L 

Clock  recovery  can  be  best  understood  by  referring  to  a 
more  detailed  diagram  of  the  RPT-83's  oscillator  section  and 
external  tuned  circuit  (Figure  2).  Grounding  pin  13  creates  a 
"locked  oscillator"  operating  mode.  Floating  pin  13  creates  a 
"pulsed  tank"  operating  mode. 

In  the  pulsed-tank  mode,  the  external  tuned  circuit  is  stimu- 
lated each  time  the  full-wave  rectifier  demands  a  current 
pulse.  Between  pulses,  the  tank  circuit  "rings"  at  its  resonant 
frequency,  damped  only  by  R8  and  the  on-chip  transistor 
collector  resistor  R. 
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Figure  1:  The  clock-recovery  circuit  shown  above  will  accept  a  35m V  peak-to-peak  (minimum)  bipolar  pulse  train  and  produce 
recovered  clock  pulses  at  the  data  rate  frequency  (1.544Mbits/s  for  this  example).  Key  waveforms,  shown  in  correct  timing 
relationship,  illustrate  the  circuit's  operation.  Comparator  CMP-01  provides  amplification  and  offset  for  a  good  TTL  interface. 
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nating  at  pin  14. 

Since  the  clock  amplitude  at  pins  11  and  12  is  only  1Vp-p 
around  a  common-mode  dc  level  of  4.5V,  the  CMP-01  com- 
parator provides  a  good  interface  to  TTL  or  other  logic.  A 
small  capacitor,  C4,  may  be  connected  across  pins  1 1  and  1 2 
to  delay  the  clock  relative  to  the  data. 

The  circuit  shown  in  Figure  1  does  not  make  use  of  the  data 
outputs  of  the  repeater  IC.  However,  if  a  data  waveform  is 
required  in  addition  to  the  clocking  pattern,  the  change  in 
circuit  configuration  required  is  minor.  By  tieing  the  output 
leads  of  the  two  flip-flops  together  (pins  8  and  9)  and  adding  a 
500ohm  pull-up  resistor  to +5V,  an  inverted  data  waveform  is 
made  available. 

How  "pulsed-tank"  and  "locked-oscillator"  modes  are  select- 
ed is  shown  in  Figure  2.  Pickoff  points  for  a  regenerated 
clock  signal  (within  the  clock  amplifier)  are  also  evident  in 
the  diagram. 

The  circuit  described  in  this  note  was  designed  and  tested 
only  with  alternate-mark-inversion  (AMI)  codes.  However,  the 
system  should  work  equally  well  with  any  retum-to-zero 
code  and  would  suit  any  of  the  many  AMI-code  variants.  It 

can  handle  data  rates  up  to  2.0  Mbits/s. 

Designs  have  been  tested  at  frequencies  from  64kHz  up  to 
1.544MHz  by  simply  modifying  the  tank  circuit.  In  all  cases, 
performance  met  desired  expectations. 
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Figure  2:  Detailed  view  of  the  RPT-83's  oscillator  and  clock 
amplifier  shows  how  "pulsed-tank"  and  "locked-oscillator" 
modes  are  selected.  Pickoff  points  for  a  regenerated  clock 
signal  (within  the  clock  amplifier)  are  also  evident. 
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Improved  T148  (CEPT)  PCM  Repeater  for 
#22AWG  (0.7mm)  Unshielded  Twisted-Pair  Wire 


by  Mike  Jachowski 


With  only  a  few  external  components,  the  RPT-86/RPT-87  per- 
forms as  a  complete,  high-speed  PCM  repeater.  Configured  as 
shown  in  Figure  1,  it  is  capable  of  recovering  and  retransmitting 
AMI-coded  data  with  an  input  amplitude  dynamic  range  of  from 
OdB  to  -44dB  at  a  rate  of  2.048Mbit/s.  This  translates  to  a 
recovery  distance  of  from  0  ft.  to  over  9000  ft.  (2.7km)  on  #22AWG 
(0.7mm)  unshielded,  twisted-pair  transmission  line,  16pF/ft. 

The  RPT-86/87's  dual  ALBO  diodes  enable  the  circuit  to  automati- 
cally compensate  for  changes  in  signal  amplitude  by  completing 
an  AGC  loop  comprised  of  the  diodes,  preamplifier,  peak  thresh- 
old detectors,  and  the  equalization  network  impedance.  The 
diodes  are  variable  impedance  elements  driven  by  the  peak 
threshold  detectors.  They  form  divider  networks  with  Ft4  and  P>5 
capable  of  providing  varying  amounts  of  attenuation  to  the  signal 
as  diode  impedance  changes.  If  the  signal  grows  in  amplitude,  the 


ALBO  diodes  become  a  lower  impedance,  thereby  attenuating 
the  signal  before  it  enters  the  preamp.  Likewise,  if  the  signal  is . 
small,  the  diodes  become  high  impedance  allowing  more  signal 
to  pass. 

Being  capacitively  coupled,  the  impedance  of  the  diodes  can  also 
change  the  filter  response  of  the  network  to  compensate  for  the 
frequency  distortion  imparted  to  the  signal  by  the  transmission 
line.  The  diodes  control  two  poles  which  can  be  taken  in  or  out  of 
the  network  depending  on  diode  impedance.  The  network  also 
contains  two  zeroes,  R2C,  and  L2C5.  For  receiving  on  long  trans- 
mission lines,  the  ALBO  diodes  remove  the  two  poles  from  the 
network  leaving  an  overall  two  zero  network  response.  On  short 
transmission  lines,  the  diodes  activate  the  poles,  cancelling  the 
zeroes  and  leaving  the  network  with  a  flat  frequency  response. 
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MINI-CIRCUITS  fTI-STfT,) 

#TTW9-6  (T2) 


FIGURE1:  AComplete2.048Mbit/sRepeaterCircuitOptimizedfor#22AWG(0.7mm)  Unshielded Twisted-PairWireTransmission Line, 
16pF/ft. 
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In  a  typical  2.048Mbit/s  repeater  card  application,  two  repeater 
ICs  are  used  to  transfer  data  in  a  bidirectional  fashion  using  two 
twisted-pair  lines.  Power  for  the  repeater  card  is  derived  from  a 
48mA  direct  current  feed  in  one  of  the  two  lines.  The  line  current 
passes  through  a  5.6V  zener  diode,  D,,  establishing  the  supply 
voltage  to  the  RPT-86/87.  D2  is  added  to  create  a  temperature 
stable  6.3V  supply  for  the  output  line  drivers,  stabilizing  the 
magnitude  of  the  transmitted  data  pulses  over  temperature  vari- 
ations. Furthermore,  supplying  the  output  stage  with  6.3V  allows 
the  use  of  a  center-tapped  3:1  drive  transformer  reducing  the 
worst-case  output  drive  current  consumption  to  only  10mA  per 
line.  In  this  way,  total  repeater  card  quiescent  current  is  a 
maximum  of  only  43mA  with  all  ones  transmitted  in  both  direc 
and  0  ft.  line  length  (about  2mA  total  ALBO  current). 

Figures  2,  3,  4  and  5  show  typical  RPT-86/87  waveforms  in  a 
2.048Mbit/s  application  repeating  data  at  the  end  of  6600  ft.  (2km) 
of  unshielded,  twisted-pair  wire.  Figure  2  illustrates  the  6Vp-p  AMI 
signal,  (a),  as  it  enters  the  transmission  line  and  as  it  appears  after 
travelling  through  6600  ft.  of  wire,  (b).  Figure  3  is  the  noninverting 
preamp  output  on  pin  #5  exhibiting  proper  data  pulse  reconstruc- 
tion by  the  preamp  and  ALBO  diode  equalization  network.  Figure 
4  shows  the  "eye-pattern"  on  pin  #5  with  a  QRSS  input  signal 
demonstrating  the  repeater  operating  with  a  large  signal-to-noise 


ratio  after  6600  ft.  (2km)  of  wire.  The  circuit's  signal-to-noise 
tolerance,  or  interference  margin,  at  several  line  attenuation 
levels  is  listed  in  Table  1 .  This  test  was  made  using  a  Sierra  41 5A- 
2  modified  for  2.048Mbit/s  testing.  Figure  5  shows  the  retransmit- 
ted AMI  data  pulses  created  by  the  RPT-86/87's  open-collector 
output  line  drivers  as  they  pull  on  the  opposing  halves  of  the  output 
transformer's  center-tapped  primary  winding.The  pulse  lies  within 
the  normalized  limits  of  the  pulse  mask  recommended  by  ATT/ 
CCITT  specifications. 




FIGURE  4 


n 

:  I  - 1 

(a) 



U  X3T 

, ... 

J 

w 

A  / 

\  ^ 

-- 

T 

_ 



u 

FIGURE  2 


FIGURE  3 


FIGURE  5 

TABLE  1 

Line 

Interference 

Attenuation  (dB) 

Margin  (dB) 

6.0 

12 

10.5 

12 

18.5 

12 

28.0 

10 

36.0 

12 

38.5 

12 

42.0 

13 

44.0 

14 

5-78   COMMUNICATIONS  PRODUCTS 


□ ANALOG  AN403 
DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Understanding  and  Applying  the 
AD7341/AD7371  Switched  Capacitor  Filters 


by  John  Reidy  and  Mike  Curtin 


INTRODUCTION 

The  AD7341  and  AD7371  are  high  performance  switched 
capacitor  filters  designed  and  specified  for  use  in  mo- 
dems. The  AD7341  is  a  reconstruction  filter  for  the  trans- 
mit channel  and  is  used  after  a  reconstruction  D/A 
converter.  It  implements  the  filter  function  using  a  sev- 
enth order  low  pass  switched  capacitor  filter  and  a 
second  order  low  pass  continuous  time  filter.  For  the 
specified  CLKIN  of  288  kHz,  the  cutoff  frequency  is  3.5 
kHz.  The  AD7371  is  an  antialiasing  filter  for  the  A/D 
converter  in  the  receive  channel.  It  is  made  up  of  a 
second  order  low  pass  continuous  time  filter,  a  fourth 
order  high  pass  switched  capacitor  section  and  a  sev- 
enth order  low  pass  switched  capacitor  filter.  With  the 
specified  CLKIN  frequency  of  288  kHz,  the  lower  cutoff 
frequency  is  180  Hz  and  the  upper  cutoff  frequency  is  3.5 
kHz.  A  complete  description  and  specifications  for  both 
filters  is  available  in  the  AD7341/AD7371  data  sheet 
(Publication  Number  C1 262-1 0-1/89),  available  from  An- 
alog Devices. 

This  application  note  explains  some  theory  necessary  to 
understand  Switched  Capacitor  Filters  (SCFs).  It  then 
covers  two  related  aspects  of  the  filters'  operation.  First, 
there  is  a  look  at  the  differences  between  synchronous 
and  nonsynchronous  operation  from  the  accompanying 
A/D  or  D/A  converter.  Nonsynchronous  operation  means 
that  the  update  rate  of  the  DAC  and  the  sampling  rate  of 
the  ADC  are  not  synchronous  with  the  clock  running  the 
switched  capacitor  filters.  This  can  cause  a  degradation 
in  performance  unless  additional  filtering  is  employed. 
A  feature  of  the  filters  which  is  not  normally  utilized  is 
the  ability  to  vary  the  cutoff  frequency  by  adjusting  the 
input  clock.  The  specified  cutoff  frequency  of  3.5  kHz 
applies  with  an  input  clock  of  288  kHz.  However,  appli- 
cations other  than  modems  may  require  alternative  cut- 
off frequencies  which  can  be  achieved  by  varying  the 
input  clock.  When  this  is  done  over  a  wide  frequency 
range  it  is  necessary  to  take  into  account  the  on-chip 
continuous-time  filters. 

SAMPLING  THEORY 

Signal  sampling  is  inherent  in  the  filtering  technique  of 


switch  capacitor  technology.  Consequently,  it  is  helpful 
to  review  some  theory  on  the  practical  aspects  of  sam- 
pling to  understand  switched  capacitor  filter  operation. 
Equation  1  gives  an  expression  for  an  arbitrary  continu- 
ous time  signal,  g(t),  that  is  sampled  at  time  intervals  of 
Ts: 


s(t)=      I    g(nTs)  h(t  -  nTs) 


.(1) 


where: 

s(t)  =  Sampled  Waveform 
g(t)  =  Continuous  Time  Signal 

f  1 ,  0  <  t  <  Ts 
h(t)  =    <  1/2,  t=0,  t=Ts 
I.0,  Otherwise 

Ts  =  Sampling  Period 


Figure  1,  Time  Domain  Representation  of  a  Sampled 


Waveform 

The  sampling  process  is  depicted  in  Figure  1  for  a  single- 
tone  sine  wave.  The  signal  waveform  consists  of  a  se- 
quence of  pulses  which  have  a  finite  duration  equal  to 
Ts,  the  sampling  period. 

A  corresponding  expression  for  the  frequency  domain 
representation  is  given  in  Equation  2. 

S{f)  =    i    G(f~  nfs)  Sine  Wf/fs)  (2) 

n=— * 

where: 

G(f)  =  Frequency  Transform  of  g(t( 
Sinc(xrf/fs)  =  SinUf/fs)/Uf/fs)  =  Frequency 
Transform  of  hit) 
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The  frequency  domain  representation  is  the  product  of 
two  functions.  The  first,  2  G(f  -  nfs),  contains  the  origi- 
nal analog  Fourier  frequency  spectrum,  G(f),  which  is 
repeated  at  multiples  of  fs.  The  term  Sinc(irf/fs)  is  an 


attenuation  profile  due  to  the  finite  duration  of  the  time 
domain  pulses.  Ideally,  the  function  h(t)  should  be  a 
series  of  impulse  functions,  in  which  case,  the  Sinc(irf'fs) 
term  would  be  replaced  by  1.  In  practice,  however,  the 
time  domain  pulses  have  a  finite  width  resulting  in  a 
low-pass  filtering  type  response.  The  resulting  fre- 
quency domain  profile  for  a  single  sine  wave  frequency 
is  shown  in  Figure  2. 


switched  capacitor  filter  itself.  The  output  of  the  AD7371 
is  a  sampled  output  with  unfiltered  image  frequencies. 


) — '■— 

7th  ORDER  LP 

■ 

SWTTCH  CAPACITOR 

I 


Figure  3.  AD7341  Filtering  Stages 


: 


FREQUENCY 

Figure  2.  Frequency  Domain  Representation  of  the 
Sampled  Signal,  s(t),  Shown  in  Figure  1 

At  this  point  it  is  worth  mentioning  some  terminology 
used  throughout  this  application  note.  The  frequencies 
nearest  the  origin,  labeled  ±f  in  Figure  2,  are  termed  the 
baseband  frequencies.  All  other  frequencies,  ±fs±f, 
±2fs±f,  etc.,  are  called  image  frequencies.  This  nomen- 
clature, although  widely  used,  is  not  a  universal  stan- 
dard. In  this  application  note  it  is  assumed  that  the  filter 
sampling  frequency  is  57.6  kHz,  corresponding  to  an 
upper  bandwidth  limit  of  3.5  kHz,  unless  otherwise 
stated.  Note  also  that  this  sampling  frequency  does  not 
correspond  to  a  CLKIN  frequency  of  57.6  kHz  because  of 
internal  dividers.  For  further  information  consult  the 


data  shee 


Figures  3  and  4  show  simplified  block  diagrams  which 
outline  the  filtering  stages  for  the  AD7341  and  AD7371. 
Both  filters  have  a  second  order  continuous  time  filter  in 
series  with  the  signal  path.  It  is  located  at  the  input  for 
the  AD7371  and  at  the  output  for  the  AD7341.  Conse- 
quently, it  contributes  differently  to  the  overall  transfer 
function  for  the  two  filters.  The  AD7341  is  designed  as  a 
reconstruction  filter.  Here,  the  continuous  time  section 
smooths  the  filter  output  so  that  it  appears  as  an  unsam- 
pled  signal  in  the  time  domain.  In  the  frequency  domain 
this  translates  to  attenuating  the  image  frequencies.  The 
AD7371  is  an  antialiasing  filter.  Here,  the  function  of  the 
continuous  time  section  is  to  attenuate  any  frequencies 
outside  the  Nyquist  limit  to  avoid  aliasing  in  the 


2nd  ORDER  LP 

CONTINUOUS 

TIME  FILTER 

4th  ORDER  LP 
SWITCH  CAPACITOR 
FILTER 


7th  ORDER  LP 
SWITCH  CAPACITOR 
FILTER 


Figure  4.  AD7371  Filtering  Stages 

The  continuous  time  filter  has  to  pass  signal  frequencies 
which  are  less  than  fMAX  (i.e.,  frequencies  less  than 
3.5  kHz)  and  attenuate  any  frequencies  above  fs  -  fMAX, 
(54.1  kHz).  There  are  almost  four  octaves  between  these 
frequencies  allowing  a  large  transition  band  for  the  filter 
roll-off.  The  continuous  time  filter  response  is  shown  in 
Figure  5.  Examination  of  the  plot  shows  that  the  cutoff 
frequency  is  not  exactly  at  3.5  kHz.  The  actual  cutoff  is  at 
4.76  kHz  to  allow  some  design  margin  for  process  varia- 
tions. Though  the  filter  is  only  second  order,  frequencies 
above  54.1  kHz  are  attenuated  by  30  dB. 
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Figure  5.  AD7341/7371  Continuous  Time  Filter  Response 

ACTUAL  FILTER  OUTPUT  SPECTRUM 

The  next  step  is  to  apply  the  previous  information  to 
predict  the  filter  output  for  a  given  input  frequency.  As 
an  example.  Figure  6  shows  the  actual  output  spectrum 
of  the  AD7371  when  an  input  frequency  of  1  kHz  is 
applied  to  the  input.  As  expected,  the  output  spectrum 
consists  of  the  input  frequency  of  1  kHz  and  image  fre- 
quencies at  multiples  of  fs  as  described  by  Equation  2. 
From  Equation  2,  the  magnitude  of  the  image  frequen- 
cies in  dB  relative  to  the  fundamental  is  given  by: 

20  log  Isin  (7rf7f"s)/(7rf7f's)] 
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For  signal  frequencies  which  are  much  less  than  fs,  the 
magnitude  of  the  base  band  frequency  can  be  approxi- 
mated to  0  dB.  The  magnitude  of  the  image  frequencies 
can  be  approximated  to: 

20  log  [f/(nfs  ±  f)] 

where  nfs  ±f  represents  the  image  frequency  pairs  that 
appear  at  each  multiple  of  fs.  An  alternative  representa- 
tion is  given  as: 


20  log 


Baseband  Frequency 


Image  Frequency 


Table  I  below  gives  the  calculated  values  for  the  first 
three  image  frequency  pairs.  These  values  correlate  very 
closely  with  the  actual  values  shown  in  Figure  6. 


n 

Image 

Frequency  (kHz) 

Magnitude  (dB) 

1 

56.6 

35 

1 

58.6 

35.3 

2 

114.2 

41.2 

2 

116.2 

41.3 

3 

171.8 

44.7 

3 

 ' 

173.8 

'  ' 

44.8 

Table  I.  Computed  Magnitudes  of  the  First  Three  Image 
Frequency  Pairs  in  the  AD7371  Output,  for  an  Input 
Frequency  of  1  kHz 

Also  present  in  the  spectrum  of  Figure  6  are  frequencies 
at  odd  multiples  of  fs/2,  i.e.,  28.8  kHz,  86.4  kHz,  144  kHz. 
The  presence  of  these  components  is  due  to  the  filter 
design  and  is  not  typical  of  sampling  systems.  They  are 
directly  related  to  the  filter  clock  frequency  and  therefore 
do  not  vary  with  input  signal  frequency. 


Other  frequency  components  in  the  frequency  spectrum 
are  second  and  third  order  harmonics  of  the  input  fre- 
quency. These  components  are  approximately  85  dB 
below  the  fundamental  and  therefore  are  too  small  to 
affect  system  performance.  All  other  components  are 
noise. 

Figure  7  shows  the  output  frequency  spectrum  of  the 
AD7341  when  a  single  tone  sine  wave  is  applied  to  the 
input.  The  attenuation  of  the  continuous  time  filter 
results  in  smaller  image  frequencies  and  clock  feed- 
through  components  compared  to  the  AD7371.  The 
resulting  magnitude  of  these  images  can  be  obtained  by 
combining  the  frequency  response  of  Figure  5  with 
the  magnitude  levels  given  in  Table  I.  The  resulting 
magnitudes  of  the  first  three  image  frequencies  are 
shown  in  Table  II. 


n 

Image 

Frequency  (kHz) 

Magnitude  (dB) 

1 
1 

56.6 
58.6 

65 
65.3 

2 

114.2 

83 

2 

116.2 

83 

3 
3 

171.8 
173.8 

94 
94 

Table  II.  Computed  Magnitudes  of  the  First  Three  Image 
Frequency  Pairs  in  the  AD7341  Output,  for  an  Input 
Frequency  of  1  kHz 
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Figure  7.  AD7341  Output  Spectrum  for  an  Input 
Frequency  of  1  kHz 


Figure  6.  AD7371  Output  Spectrum  for  an  Input 
Frequency  of  1  kHz 
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SYNCHRONOUS  vs.  NONSYNCHRONOUS  SAMPLING 

Interfacing  the  AD7371  to  an  ADC  can  cause  aliasing 
problems  because  of  the  image  frequencies  and  clock 
feedthrough  components  shown  in  Figure  5.  One 
method  of  avoiding  these  difficulties  is  to  use  synchro- 
nous sampling  as  shown  by  the  functional  diagram  of 
Figure  8.  Synchronous  sampling  means  that  the  ADC's 
CONVST  input  and  the  filter's  update  frequency  are 
derived  from  the  same  source.  In  other  words,  the  filter's 
update  frequency  is  an  integer  multiple  of  the  ADC's 
sampling  frequency.  The  AD7371  has  an  on-chip  clock 
divider  which  provides  a  SYNCOUT  output,  designed  to 
give  a  variety  of  frequencies  for  sampling  control,  all  of 
which  are  synchronous  with  the  SCF  clock. 


ANALOG 
INPUT" 


RX,N 


SCF 
CLOCK 


CLKIN 

*N 

288  kHz 

ADC 


Figure  8.  Synchronous  Sampling  Block  Diagram 

In  synchronous  interfacing,  the  image  frequencies  from 
the  filter  output  map  into  the  fundamental  frequency 
position  of  the  ADC's  digital  spectrum.  This  is  easily 
verified  by  taking  an  example  and  comparing  the  aliased 
positions  of  the  image  frequencies  for  both  a  synchro- 
nous and  a  nonsynchronous  ADC  sampling  frequency. 
Going  back  to  the  previous  example,  the  switched 
capacitor  frequency  is  57.6  kHz  and  the  signal  frequency 
is  1  kHz.  To  complete  the  set  up,  consider  a  synchronous 
ADC  sampling  frequency  of  57.6  kHz/8  =  7.2  kHz  and  a 
nonsynchronous  sampling  frequency  of  8  kHz.  The  next 
step  is  to  establish  where  the  filter's  image  frequencies 
map  into  the  ADC's  digital  spectrum.  The  digital  fre- 
quency positions  may  be  found  by  subtracting  multiples 
of  the  ADC  sampling  rate  from  each  of  the  image  fre- 
quencies until  they  lie  in  the  range  ±1/2  of  the  ADC 
sampling  rate.  Table  III  below  shows  where  the  first 
three  image  frequency  pairs  from  the  switched  capacitor 
filter  map  into  the  digital  frequency  spectrum. 


Image 

ADC's  Digital 

ADC's  Digital 

Frequency 

Frequency  (kHz) 

Frequency  (kHz) 

(kHz) 

W  =  8  kHz 

fADC  =  7.2  kHz 

56.6 

0.6 

1 

58.6 

2.6 

1 

114.2 

2.2 

1 

116.2 

3.8 

1 

171.8 

3.8 

1 

173.8 

2.2 

1 

Table  III.  Image  Frequencies  and  Their  Equivalent  Fre- 
quency Positions  in  the  ADC's  Digital  Spectrum.  Signal 
Frequency  =  1  kHz 

It  is  clear  from  the  above  data  that  nonsynchronous 
sampling  causes  erroneous  frequencies  to  appear  in  the 
passband.  Synchronous  sampling  causes  the  image  fre- 


quencies to  overlap  with  the  fundamental  resulting  in  a 
single  frequency  spectrum  for  a  single  frequency  input. 

Referring  back  to  Figure  6  there  are  also  frequency  com- 
ponents which  appear  at  odd  multiples  of  fs/2.  For  syn- 
chronous sampling,  these  components  will  appear  at 
either  0  or  fs/2  in  the  ADC's  frequency  spectrum.  If  the 
ratio  of  the  ADC  sampling  frequency  to  the  filter  update 
frequency  is  even,  these  frequency  components  will 
appear  at  0;  if  the  ratio  is  odd,  they  will  appear  at  fs/2. 

The  above  analysis  can  be  applied  to  the  DAC  and  recon- 
struction filter  when  generating  analog  output  signals.  In 
this  case,  the  DAC  output  is  oversampled  by  the 
switched  capacitor  filter.  The  lower  order  image  fre- 
quencies generated  from  the  DAC  output  will  be  attenu- 
ated by  the  switched  capacitor  filter.  However,  the 
higher  order  image  frequencies  will  appear  in  the  analog 
output  spectrum  of  the  filter.  However,  these  compo- 
nents have  a  smaller  magnitude  than  the  lower  terms 
and  do  not  corrupt  the  spectrum  as  much  as  in  the  case 
of  the  ADC.  Nonetheless,  better  results  are  achieved 
when  synchronous  sampling  is  employed. 

DESIGNING  A  FILTER  FOR  NONSYNCHRONOUS 
APPLICATIONS 

Inevitably,  some  applications  will  not  be  able  to  use 
synchronous  operation.  Then,  additional  filtering  can  be 
employed  after  the  switched  capacitor  filter  to  improve 
performance.  The  function  of  the  filter  is  to  attenuate  the 
image  frequencies,  such  as  those  in  Table  III.  The  filter 
design  must  be  based  on  the  worst  case,  i.e.,  the  image 
frequency  with  the  largest  magnitude.  Neither  of  the 
values  in  Table  III  represents  the  worst  case.  Frequencies 
closer  to  fs/2  will  generate  image  frequencies  which 
have  a  bigger  magnitude  and  thus  corrupt  the  spectrum 
more.  Hence  for  a  worst  case  analysis,  Table  III  must  be 
recalculated  for  the  largest  frequency  in  the  passband 
spectrum,  which  is  3.5  kHz  assuming  an  upper  band- 
width limit  of  3.5  kHz. 

Table  IV  shows  the  recalculated  image  frequencies  and 
their  relative  magnitudes. 


Image 

Frequency  (kHz) 

ADC's  Digital 
Frequency  (kHz) 

Magnitude  (dB) 

54.1 

1.9 

23.8 

61.1 

2.9 

24.9 

111.7 

0.3 

30.1 

118.7 

1.3 

30.7 

169.3 

1.3 

33.7 

176.3 

0.3 

34.1 

Table  IV.  Image  Frequencies  and  Their  Equivalent  Fre- 
quency Positions  in  the  ADC's  Digital  Spectrum.  Signal 
Frequency  =  3.5  kHz 

For  maximum  attenuation  of  the  image  frequencies,  the 
cutoff  frequency  should  be  as  close  as  possible  to  the 
upper  limit  of  the  passband.  Allowing  approximately 
20%  headroom  gives  a  value  of  4.2  kHz  for  the  desired 
cutoff  frequency.  The  next  step  is  to  decide  the  stopband 
attenuation  and  transition  band  characteristics  which 
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Figure  9.  Image  Frequency  Spectrum  and  Required  Filter 
Attenuation  Profile 

will  ultimately  determine  the  order  of  the  filter.  First, 
consider  how  a  residue  of  an  image  frequency  after 
attenuation  will  affect  system  performance.  For  exam- 
ple, a  12-bit  system  whose  noise  plus  distortion  is  dom- 
inated by  quantization  noise  has  an  ideal  SNR  of  74  dB. 
For  the  purpose  of  analysis  assume  that  the  value  of  the 
signal  is  1  V  rms.  Then  a  value  for  the  total  rms  noise  in 
the  system,  eQ,  can  be  calculated  as  follows: 


eQ  =  log-'  (-74/20)  =  199 


(3) 


Any  additional  noise,  such  as  the  residue  from  the 
image  frequencies  after  attenuation,  will  add  in  an  rms 
fashion  to  this  noise,  giving  a  degraded  value  for  SNR: 

SNR  =  20  /ogl/lV  +  eF2)"2 

where: 

SNR  =  System  Signal  to  Noise  Ratio 

eQ  =  Quantization  Noise 

eF  =  rms  Value  of  Additional  Noise 

A  corresponding  expression  for  the  degradation,  D,  on 
system  performance  can  now  be  written  as  follows: 

D  =  20  /og(1/eQ)  -  20logUeo2  +  e/)vz 

D  =  10  /og(1  +  eF2/ea2) 

A  plot  showing  how  additional  noise  degrades  the  sys- 
tem performance  from  74  dB  is  shown  in  Figure  10. 
From  the  graph,  if  the  system  performance  is  not  to 
degrade  by  more  than  1  dB  then  any  additional  noise 
has  to  be  lower  than  80  dB  relative  to  the  signal. 

This  figure  of  80  dB  can  now  be  taken  as  a  design  target 
for  the  filter.  In  other  words,  the  rms  residue  from  the 
filter  after  attenuation  must  be  less  than  80  dB.  Looking 
at  the  image  frequency  magnitudes  and  locations  shown 
in  Table  IV  and  Figure  9,  the  only  image  frequencies 
worth  considering  are  the  first  two  located  at  54.1  kHz 
and  61.1  kHz.  The  other  image  frequencies  which  are 
smaller  in  magnitude  (due  to  Sinx/x  attenuation)  will  be 
further  attenuated  as  they  lie  further  up  the  frequency 
band.  Taking  the  rms  addition  of  the  first  two  image 
frequencies  gives  a  figure  of  approximately  21.3  dB. 
Subtracting  this  figure  from  the  filter  output  target  of 


Figure  10.  Degradation  in  SNR  from  the  Ideal  Value  of  I 
74  dB  Due  to  Additional  Noise 


80  dB  gives  a  value  for  the  attenuation,  A,  required  from 
the  filter: 

A  =  (SO  -  21.3)  dB  =  58.7  dB 

The  transition  band  in  frequency  octaves  is  given  by: 
log2  (54.1  Jr/4.2  k)  =  3.7 

The  required  transition  band  roll-off  can  now  be  written 
as  58.7/3.7  per  octave  or  15.9  dB  per  octave.  This  can  be 
realized  with  a  third  order  filter.  One  possible  realization 
is  shown  in  Figure  11  which  is  a  third  order  Chebyshev 
configuration. 


Figure  7  7.  Chebyshev  Filter  Design  for  Nonsynchronous 
Applications 

In  this  filter  design  example  the  frequency  components 
which  appeared  at  odd  multiples  of  fs/2  in  Figure  6  were 
not  considered.  Taking  the  worst  case  component  which 
lies  at  28.8  kHz,  its  magnitude  is  approximately  60  dB 
down  from  the  signal.  The  filter  of  Figure  11  attenuates 
this  by  a  further  50  dB,  making  its  effect  on  system 
performance  negligible. 

A  similar  exercise  can  be  repeated  for  nonsynchronous 
operation  of  the  AD7341  and  accompanying  DAC.  How- 
ever, in  this  analysis  the  on-chip  continuous  time  filter 
will  make  the  external  filter  requirement  less  stringent.  A 
second  order  filter  will  suffice  here. 
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VARYING  THE  CUTOFF  FREQUENCIES 

As  already  seen,  the  AD7341  and  AD7371  filters  are  pre- 
dominantly switched  capacitor  types,  but  they  also  con- 
tain continuous  time  filters.  In  any  applications  where 
the  user  wants  to  change  the  filter  cutoff  frequencies 
from  the  normal  3.5  kHz,  the  on-chip  continuous  time 
filter  response  must  once  again  be  considered.  This  filter 
response  is  the  same  for  both  the  AD7341  and  the 
AD7371.  It  is  a  second  order  Chebyshev  which  begins  to 
roll  off  at  4.7  kHz  and  has  a  -3  dB  point  at  9.1  kHz. 

The  SCF  sampling  frequency  necessary  to  obtain  a  par- 
ticular filter  cutoff  can  be  determined  by  the  following 
equations.  For  both  the  AD7341  and  AD7371 : 


where: 

fs  =  AD7341/7371  SCF  Sampling  Frequency 
fUCF  =  Upper  Cutoff  Frequency 

For  the  AD7371,  there  is  a  ratio  of  19.5  between  the 
upper  cutoff  frequency  (for  the  low  pass  section)  and  the 
lower  cutoff  frequency  (i.e.,  the  cutoff  frequency  for  the 
high  pass  section). 

Increasing  the  Cutoff  Frequency 

It  is  possible  to  increase  the  SCF  sampling  frequency  by 
increasing  the  CLKIN  frequency  and  get  a  corresponding 
increase  in  the  cutoff  frequency.  However,  for  frequen- 
cies above  9  kHz  the  passband  attenuation  becomes  sig- 
nificant and  may  be  too  large  due  to  the  on-chip 
continuous-time  filter. 

If  a  cutoff  frequency  of  10  kHz  is  required  for  the  AD7371, 
for  example,  fs  needs  to  be  164  kHz  and  the  CLKIN  fre- 
quency needs  to  be  822  kHz.  Figure  1 2,  below,  shows  the 
filter  frequency  response  for  these  conditions. 

In  cases  where  the  AD7371  is  operating  in  a  nonsynchro- 
nous  system  (where  the  fs  for  the  SCF  and  the  ADC 
sampling  signal  are  not  derived  from  the  same  clock 
source),  it  is  necessary  to  provide  a  continuous  time 
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Figure  12.  AD7371  Cutoff  Frequency  Set  for  10  kHz 
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filter  after  the  AD7371  to  attenuate  the  image  frequen- 
cies. This  is  accomplished  by  a  third  order  Chebyshev 
filter  as  described  in  the  previous  section.  This  filter 
should  be  designed  for  a  cutoff  frequency  of  1.2  x  fMAX, 
where  f max  is  trle  passband  frequency. 

Decreasing  the  Cutoff  Frequency 

The  AD7371  antialiasing  filter  for  the  receive  ADC  is 
itself  a  sampling  system  with  a  sampling  frequency  of 
57.6  kHz  and  as  such  requires  its  own  antialiasing  filter. 
This  is  provided  by  the  on-chip  continuous  time  filter 
with  characteristics  as  already  described  (see  Figure  5). 

If  the  cutoff  frequency  of  the  AD7371  is  reduced  in  a 
synchronous  system,  then  the  on-chip  antialiasing  filter 
is  no  longer  as  effective.  For  example,  halving  the  device 
CLKIN  frequency  automatically  halves  the  upper  cutoff 
frequency  to  1.75  kHz.  The  SCF  is  now  sampling  at 
28.8  kHz  and  the  antialiasing  filter  needs  to  pass  signals 
up  to  1.75  kHz  and  attenuate  signals  above  27.05  kHz  (fs 
-  fMAx)-  The  attenuation  of  (fs  -fMAx)  due  to  the  on-chip 
filter  is  now  reduced  by  a  factor  of  about  14  dB  (See 
Figure  5).  A  first  order  filter  with  a  cutoff  frequency  at 
2  kHz,  positioned  before  the  AD7371  will  restore  the 
attenuation  level  of  signals  above  (fs  -  fMAX)  to  the 
required  level.  In  fact,  a  first  order  filter  is  sufficient 
compensation  down  to  cutoff  frequencies  of  1  kHz.  Fig- 
ure 13  gives  an  example  of  the  AD7371  programmed  for 
a  cutoff  frequency  of  1  kHz  with  a  simple  first  order  filter 
providing  the  antialiasing. 


 ►  TO  ADC 
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Figure  13.  First  Order  Antialiasing  Filter  Used  for  the 
AD7371  When  Set  for  a  Cutoff  Frequency  of  1  kHz 

Below  1  kHz,  the  on-chip  continuous-time  filter  provides 
very  little  antialiasing  and  a  second  order  Chebyshev 
with  a  cutoff  frequency  of  about  1.2  x  fMAX  is  needed  to 
complement  it.  An  example  is  shown  in  Figure  14;  this 
filter  is  designed  for  a  240  Hz  cutoff  which  is  suitable  for 
an  SCF  cutoff  frequency  of  200  Hz. 
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Figure  14.  Second  Order  Chebyshev,  Antialiasing  Filter 
Used  for  the  AD7371  When  Set  for  a  Cutoff  Frequency  of 
200  Hz 


When  reducing  the  cutoff  frequency  of  the  AD7371  in  a 
nonsynchronous  system,  there  are  two  issues  to  be  con- 
sidered. The  first  is  the  antialiasing  which  has  just  been 
discussed.  In  addition  to  this  there  is  the  case  of  image 
frequencies  appearing  in  the  ADC  passband  as  dis- 
cussed earlier  if  the  system  is  nonsynchronous  (see  syn- 
chronous versus  nonsynchronous  sampling).  To  attenu- 
ate these  images,  it  is  necessary  to  follow  the  AD7371  by 
a  third  order  Chebyshev  filter  with  an  appropriate  cutoff 
frequency.  This  should  be  set  at  1.2  x  fMAX,  the  AD7371 
passband  frequency.  Figure  15  shows  the  AD7371  in  a 
nonsynchronous  system  with  a  cutoff  frequency  of 
200  Hz  and  the  necessary  external  continuous  time  filter- 
ing. The  cutoff  frequency  of  both  external  filters  is 
240  Hz. 

In  the  AD7341 ,  the  continuous  time  filter  occurs  after  the 
switched  capacitor  block.  It  is  designed  as  the  smooth- 
ing filter  for  the  system.  It  eliminates  the  (fs  -  f,N) 
components  due  to  the  switched  capacitor  sampling. 
Reducing  the  cutoff  frequency  reduces  the  effectiveness 
of  this  filter.  For  synchronous  applications,  the  compen- 
sation for  this  is  the  same  as  in  the  AD7371  case,  except 
that  here  the  filter  comes  after  the  AD7341 .  Again,  a  first 
order  filter  is  sufficient  down  to  programmed  frequen- 
cies of  1  kHz,  and  below  this  a  second  order  Chebyshev 
should  be  used. 


In  nonsynchronous  systems,  the  output  filter  must  be  a 
third  order  Chebyshev  to  attenuate  the  image  frequen- 
cies generated.  The  basic  filter  design  is  shown  in  Figure 
11.  The  cutoff  frequency  should  be  chosen  to  be 
1-2fMAx.  where  fMAX  is  the  chosen  switched  capacitor 
filter  bandwidth. 


Figure  15.  Extra  Continuous  Time  Filtering  in  a  Nonsyn- 
chronous System,  AD7371  Cutoff  Frequency  =  200  Hz 
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One-Chip  "Slide  Rule"  Works  with  Logs,  Antilogs  for  Real-Time  Processing 

by  Lew  Counts,  Charles  Kitchin  and  Steve  Sherman 


■ 

An  analog  computer  IC  multiplies  and  divides 
signals,  takes  powers,  and  also  roots.  A  log-antilog 
section  raises  dynamic  range  during  division. 


an  analog  divider  circuit  seems  to  promise 
something  for  nothing.  Just  divide  any  num- 
^^^^ber  by  zero  and  the  result  is  infinity.  But  in 
theory,  if  numbers  approaching  zero  are  in  the  de- 
nominator, the  divider  must  achieve  infinite  gain, 
and  its  input  offset  error  must  be  smaller  than  the  in- 
put signal. 

In  practice,  analog  divider  chips  fail  to  achieve 
even  the  modest  100-to-l  dynamic  range  vital  to  a 
wide-range  circuit.  A  viable  device  calls  for  gains 
greater  than  40  dB  and  input  offset  voltages  under 
100  MV. 

But  all  is  not  lost.  The  AD538  multifunction  IC's 
1000-to-l  dynamic  range  surpasses  the  50-to-l  limit 
of  earlier  one-chip  dividers.  Noise  is  held  to  only 
25  mV— referenced  to  the  input— over  a  1000-Hz 
bandwidth,  with  its  offset  voltages  under  100  /tV. 

A  truly  versatile  analog  computer  on  a  chip,  the 
538  tackles  one-quadrant  multiplication  and  one- 
and  two-quadrant  division.  It  also  calculates  powers 
and  roots  of  ratios.  Like  all  analog  computers,  it  runs 
in  real  time,  making  it  the  chip  of  choice  when  linear- 
izing signals  from  transducers. 


Its  basic  transfer  function: 

V„„t  =  VY  (VZ/VX)M 
makes  the  circuit  simple  to  configure  for  a  particular 
function.  All  that  need  be  done  is  to  connect  specific 
pins  and— in  some  cases— add  one  or  two  external 
resistors.  Depending  on  the  application,  one,  several, 
or  all  sections  of  the  chip  can  be  called  into  play. 

The  analog  IC  basically  consists  of  an  accurate 
10-V/2-V  reference  and  five  precision  op  amps,  all 
with  offset  voltages  that  are  laser-trimmed  to  under 
100  mV  (Fig.  1).  But  the  chip  is  more  than  the  sum  of 
its  parts.  It  is  designed  as  a  complete  analog  comput- 
er whose  system  performance  is  specified  for  both 
voltage  and  current  inputs.  Its  low  input  and  output 
offset  voltages,  excellent  linearity,  and  modest  noise 
levels  all  contribute  to  its  wide  dynamic  range- 
guaranteed  from  1  mV  to  10  V  (80  dB). 

The  user's  free  access  to  the  summing  junctions  of 
four  of  the  chip's  op  amps  gives  it  much  of  its  versa- 
tility. External  input  resistors  can  change  the  pre- 
trimmed  offset  or  scaling  voltages  and  allow  multi- 
ple signals  to  be  summed  at  each  input  terminal.  The 
IC's  power  supply  ranges  from  ±4  to  ±18  V,  letting 
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it  run  from  standard  split  ±  15-V  supplies,  as  well  as 
from  ±  12-V  and  even  ±  5-V  units.  The  2-V  reference 
is  particularly  useful  for  driving  the  chip  from  ±  5-V 
sources. 

The  op  amps  form  three  of  the  device's  four  major 
function  blocks.  The  log  ratio  amplifier  section  har- 
nesses three  of  them;  the  log  and  antilog  section,  one; 
and  the  output  current-to-voltage  stage,  the  last. 

A  logging  operation 

The  Vz  and  Vx  inputs  connect  directly  to  the  log- 
ratio  section.  This  block  furnishes  an  output  voltage 
proportional  to  the  difference  between  the  natural 
logarithms,  Ln,  of  the  input  voltages  Vz  and  Vx  (Ln 
Vz  — Ln  Vxl  The  transfer  function  between  these  in- 
puts and  the  section's  output  pin  (B)  is  given  by 

kT  Vz 

vout  =  y  Ln  Vx 


where  k  is  Boltzmann's  constant,  T  is  the  absolute 
Kelvin  temperature,  and  q  is  the  unit  charge  (1.60219 
X  1(T19C). 

The  log  ratio  section  may  be  used  on  its  own  (to 
compress  the  ratio  of  two  signals)  by  temperature- 
compensating  and  scaling  its  output.  To  do  so,  its  out- 
put (B)  is  joined  to  the  summing  junction  of  the  out- 
put amplifier  (Iln)  through  two  external  resistors.  A 
60-fi  1%  metal-film  device  is  hooked  in  series  with  a 
1-kfi  temperature-compensating  resistor  with  a  tem- 
perature coefficient  of  +3500  ppm/°C. 

For  most  applications,  however,  the  log  ratio  sec- 
tion is  linked  to  the  input  of  the  antilog  section  (pin 
VY).  That  converts  the  signal  from  the  logarithmic 
into  the  linear  domain,  according  to  the  transfer 
function: 


VYe 


(vc  q/kT) 


where  Vc  is  the  voltage  at  pin  C.  This  section,  like  the 


V*  input  C 


O- 


4-  circuit  _j_ 


V,  Input 
— O 


1.  The  transfer  function  of  the  AD538  one-chip  analog  computer  is  Vou,  =  VY 
(V,/VX)M  when  M  is  between  Vs  and  5.  The  flexibility  of  the  transfer  function 
allows  the  chip,  which  works  in  real  time,  to  replace  a  microcomputer  as  well 
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DESIGN  ENTRY 

Analog  computer  chip 


log  ratio  block,  may  be  used  alone  in  order  to  expand 
a  signal.  Combining  the  transfer  functions  of  both 
sections  by  tying  together  the  B  and  C  outputs  results 

in  the  equation:  kT  v 

(     x     xu  ') 
Vout  =  VY  e    !    kT  v« 

when  VB  =  Vc.  This  expression  reduces  to  the 
multiplier-divider  transfer  function: 


Raising  Vz/Vx  to  the  Mth  power  with  an  external 
resistor  results  in  the  analog  computer  chip's  overall 
transfer  function: 

Vout  =  VY(Vz/Vx)M 

where  'A  <  M  <  5. 

In  most  applications  the  VY  input  is  used  to  set  a 
convenient  scale  factor.  The  linear  VY  input  signal 
is  multiplied  by  adding  the  log  of  the  VY  input  to  the 
signal  at  C,  which  is  already  in  the  log  domain.  The 
chip's  third  section,  the  output  current-to- voltage 
converter,  buffers  and  scales  the  output  from  the 
antilog  block. 

Finally,  the  band-gap  reference  section  supplies 
either  +2  or  +10  V,  accurate  to  ±0.5%  with  a 
tempco  of  25  ppm/°C.  The  10-V  reference  is  buffer- 
ed and  available  at  the  ±  10-V  pin.  The  2-V  output  is 
unbuffered.  It  is  derived  from  the  ±  10-V  pin  by 
adding  a  resistive  divider  between  the  buffer's  out- 
put and  its  summing  point  input. 

As  a  result,  any  load  on  the  2-V  output  changes  the 
feedback  circuit  and  thus  the  10-V  reference  voltage 
as  well.  To  buffer  the  2-V  output,  it  is  simply  tied  to 
the  10-V  output. 

Go  forth  and  multiply 

Taking  the  chip's  sections  singly— or  even  in 
pairs— only  hints  at  its  overall  power.  The  device  is 
easily  configured  as  a  high-performance,  one-quad- 
rant multiplier-divider  (Fig.  1  again).  As  such,  it 
handles  only  positive  input  voltages.  Its  transfer 
function: 

Voul  =  VY(Vz/Vx) 

works  with  three  input  variables.  That  is,  the  chip 
carries  out  three-input  calculations  simultaneously 
—a  task  impossible  with  a  conventional  analog  mul- 
tiplier or  even  with  a  digital  one. 

What's  more,  the  job  is  performed  by  the  538  in 
real  time.  When  two  input  variables  and  a  fixed 


reference  are  specified,  the  chip's  dynamic  range  per- 
mits it  to  outclass  such  analog  multipliers  as  the 
AD534.  (The  latter,  though,  performs  four-quadrant 
multiplications— each  of  its  two  inputs  may  be  a  plus 
or  minus  voltage.) 

In  the  circuit,  if  Vx  is  connected  to  either  the  10-  or 
the  2-V  reference,  a  traditional  one-quadrant  analog 
multiplier  results.  (Vx,  or  any  other  input,  may  also 
be  driven  by  a  digital-to-analog  converter,  enabling 
the  constant,  or  scaling,  voltage,  which  establishes 
the  output  scale  factor,  to  be  set  automatically  or  re- 
motely.) With  Vx  tied  to  10  V,  the  transfer  function 
becomes: 

Vout  =  (VY)(Vz)/10V. 

Typically,  the  circuit  achieves  a  bandwidth  of 
400  kHz  when  Vx  varies  over  a  range  of  100  mV  to 
10  V.  Maximum  error  with  both  inputs  swinging 


0.65% 


_i_ 


100  mV  200  mV  1  V 
Denominator  voltage 


2.  When  used  for  division,  the  AD538  has  a  lower 
total  error  and  a  much  wider  denominator  dynamic 
range  than  an  analog  multiplier-divider  such  as  the 
AD535 — which  has  even  been  specially  trimmed  to 
serve  as  a  divider. 
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from  0  to  10  V  is  ±  0.5%  of  the  reading.  Employing  an 
external  scaling  voltage  and  the  offset  trim  resistor 
(R,)  will  halve  the  error. 

Merely  switching  the  10- V  reference  from  Vx  to 
VY  changes  the  circuit  to  a  classical  one-quadrant 
linear  divider  with  10-V  scaling.  Vx  now  serves  as  the 
denominator  input  terminal.  The  transfer  function  is 
specified  as  follows: 

V„ut  =  (10V)(Vz)/(Vx) 

The  voltage  applied  to  Vz  is  divided  by  that  applied  to 
Vx.  The  internal  trimming  resistor  reduces  offset 
errors  to  less  than  100  mV. 

The  typical  —  3-dB  bandwidth  of  the  one-quadrant 
divider  is  370  kHz  for  inputs  between  1  and  10  V, 
dropping  slowly  to  200  kHz  for  2-mV  signals.  Its 
74-dB  dynamic  range  (from  a  2-mV  noise  threshold 
at  the  input  to  a  10-V  output  clipping  level)  is  much 


wider  than  that  supplied  by  a  conventional  divider 
circuit  using  an  analog  multiplier. 

As  for  harmonic  distortion,  the  circuit's  10-V  peak 
output  is  produced  by  a  sine  wave  on  the  numerator 
input  and  1  V  on  the  denominator  input.  The  second 
harmonic  of  the  10-V  output  is  70  dB  below  the 
fundamental. 

Appearances  are  deceiving 

The  mathematics  of  multiplication  and  division 
makes  multiplier  circuits  appear  to  have  much  lower 
input  offset  voltages  than  comparable  divider  cir- 
cuits. Multiplying  numbers  less  than  one  yields  a 
result  smaller  than  either  of  the  original  multipli- 
cands. Multiplying  the  offset  voltages  at  two  differ- 
ent inputs,  say  0.1  V  each,  produces  an  output  offset 
voltage  of  0.01  V.  In  addition,  the  product  is  generally 
divided  by  10  (to  increase  dynamic  range),  further 


16  V  ov, 


/  AD589 

1 


Offset 
voltage 
trimming 
1M 


35k,  1% 
R3 


Zero 
trimming 


o- 

ro  -V, 
nlng  '•  5k 


+2  V 
O— 





Output 


-OA 


-OD 


ft, 
35k, 
1% 


-O  V, 


50, 

5% 


-Olv 

Vy 


(a) 


3.  By  implementing  the  transfer  function  V„ 


„/Vden,  the  AD538  multi- 


function chip  handles  two-quadrant  division.  Thus  the  numerator  is  capable  of 
handling  both  positive  and  negative  voltages. 
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cutting  output  offset  error  to  0.001  V.  Obviously,  in 
multiplier  circuits,  output  offset  voltages  matter 
more  than  do  input  offset  voltages  because  the 
former  add  directly  to  the  multiplier's  output. 

Divisive  factors 

In  contrast,  analog  dividers  usually  run  into  dif- 
ficulties over  input  offset  voltages.  The  gain  of  an 
analog  divider  must  approach  infinity  as  the  denomi- 
nator moves  closer  to  zero:  Offset  voltages  or 
nonlinearities  at  the  input  are  amplified  by  the 
V3caie/Vdenornina,or  ratio  of  the  divider.  As  the  denomi- 
nator voltage  is  reduced,  input  offset  voltages  in  di- 
viders quickly  become  intolerable,  in  turn  severely 
degrading  the  device's  dynamic  range. 

In  multipliers,  then,  offsets  are  measured  relative 
to  full  scale;  in  dividers,  they  must  be  gauged  relative 
to  the  magnitude  of  the  input  signal.  For  any  given 
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4.  The  bandwidth  and  dynamic  range  of  the  AD538 
in  the  circuit  of  Fig.  3  are  significantly  greater  than 
those  of  a  conventional  multiplier-divider  IC,  the 
AD535,  in  the  same  application. 


accuracy,  therefore,  these  offsets  limit  the  minimum 
denominator  voltage  level. 

The  chip  overcomes  most  of  its  input  offset  prob- 
lems by  employing  high-quality  op  amps  as  input 
stages.  These  are  quite  different  from  the  circuits 
found  in  the  typical  analog  multiplier,  such  as  the 
AD535,  and  the  op  amps  hold  offset  errors  under 
100  MV. 

A  smaller  total  error 

The  device's  superiority  is  readily  seen  by  directly 
comparing  total  error  from  each  chip  for  given  de- 
nominator voltages  (Fig.  2).  The  total  error  for  the 
535,  configured  as  a  multiplier-divider,  is  not  even 

that  point  it  is,  in  fact,  5%.  Alternatively,  the  538's 
total  error  is  only  2.5%  at  a  denominator  voltage  of 
10  mV  — a  level  at  which  the  typical  multiplier- 
divider  is  unusable. 

The  term  "total  error"  represents  the  sum  of  three 
elements:  the  inherent  nonlinearity  produced  by  the 
internal  component  errors;  the  numerator  offset  er- 
ror multiplied  by  the  set  gain  (VY/VX);  and  the  static 
offset  error  of  the  output  amplifier.  In  other  words, 
total  error  is  expressed  as: 

Nonlinearity  +  (Zos  X  VY/Vx)+V0s 
of  output  of  output  amp 

where  the  subscript  "OS"  indicates  offset. 
Specifically,  the  chip's  total  error  equals: 

±  0.5%  V„ut  ±  0.15  mV(VY/Vx)  ±  0.15  mV 

When  VY/VX  is  small,  the  nonlinearity  error  domi- 
nates; when  that  ratio  is  large,  the  numerator  offset 
error  dominates;  and  when  the  output  is  small  (under 
10  mV),  output  offset  dominates.  Errors  are  defined 
in  this  manner  so  that  the  user  may  minimize  total 
error  by  nulling  out  the  error  dominating  a  particu- 
lar input  condition. 

Another  quadrant  heard  from 

Although  the  one-quadrant  multiplier-divider 
tackles  only  positive  input  voltages,  the  chip  can  also 
be  set  up  as  a  two-quadrant  divider  capable  of  han- 
dling bipolar  numerator  signals.  That  feat  is  accom- 
plished by  offsetting  the  nominal  numerator  input  at 
Vz  by  a  voltage  that  tracks  the  denominator  input 
signal  Vden.  The  latter  is  made  slightly  larger  than 
the  former,  by  a  ratio  of  35  to  25  (Fig.  3).  The  ratio  is 
set  by  feeding  the  numerator  and  denominator  in- 
puts through  external  35-kfi  resistors  (R3,R4)  to  the 
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summing  node  (current  input)  of  their  respective  op 
amps,  Ai  and  A2.  The  offsetting  voltage  Vden  is 
summed  with  the  numerator  input,  Vnum,  through 
the  internal  25-kSJ  resistor  at  Vz.  That  offset  changes 
the  divider's  transfer  function  from  10  V  (Vz/Vx)  to: 


5.  In  a  two-quadrant  divider,  the  chip  exhibits  the 
same  dynamic  response  with  numerator  inputs  be- 
tween 20  V  pk-pk  (a)  and  20  mV  pk-pk  (b)  with  de- 
nominators of  10  V  and  10  mV,  respectively. 


Table  1. 


Function 

RB  (Si) 

Rc  (0) 

Power  (M) 

One-fifth  root 

162 

40.2 

0.20 

One-quarter  root 

150 

49.9 

0.25 

Cube  root 

100 

49.9 

0.33 

Square  root 

100 

100.0 

0.50 

|                 k  y 

Function 

Ra  (0) 

Power  (M) 

Fifth  power 

48.7 

5.0 

Fourth  power 
Analog  cube 

64.9 

4.0 

97.6 

3.0 

Analog  square 

196.0 

2.0 

Arc  tangent 

931.0 

1.21 

Vout=  +  10V(Vnum  + Vden)/Vden 
=  +10V(l+V„um/Vdc„) 
=  10V  +  10V(Vnum/Vden) 

As  long  as  the  denominator  input  equals  or  exceeds 
the  numerator  in  magnitude,  the  circuit  accepts  bi- 
polar voltages  (such  as  sine  waves)  at  the  numerator 
input.  However,  its  output  now  equals  +10  V  dc 
without  any  numerator  voltage  applied. 

To  make  the  circuit  practical,  the  +10-V  output 
offset  is  canceled  by  summing  it  with  the  10-V  refer- 
ence; this  is  done  in  the  output  op  amp  section 
through  resistors  R]  and  R2.  The  potentiometer 
trims  the  offset,  so  that  there  is  zero  out  for  zero  in, 
leaving  the  simple  transfer  function: 

V„ut  =  10V(Vnum/Vden) 

At  a  denominator  voltage  of  100  mV,  this  log- 
antilog  two-quadrant  divider  has  20  times  the  band- 
width of  a  typical  multiplier-divider  like  the  535  (Pig. 
4).  These  two  chips  are  again  compared  for  given  de- 
nominator voltages,  this  time  against  small-signal 
bandwidth.  The  log-antilog  device  bandwidth  is  vir- 
tually independent  of  denominator  voltage  and  is 
faster  for  all  but  the  highest  denominator  voltages. 

An  indication  of  the  dynamic  range,  precision,  and 
linearity  of  the  two-quadrant  divider  is  readily  seen 
(Fig.  5).  In  both  photographs,  the  upper  waveform  is 
the  output  of  the  chip,  a  20-V  pk-pk  20-kHz  sine  wave, 
and  the  lower  waveform  is  the  source  of  that  signal 
applied  to  the  numerator  input.  In  each  case  the  out- 
put is  10  V  X  Vnum/Vden  and  shows  virtually  no  dif- 
ference over  a  1000-to-l  change  in  input  signals.  Of 
course  Vden  could  have  been  changing  at  the  time,  but 
the  outputs  would  then  be  harder  to  compare. 

Getting  to  the  root  of  the  matter 

The  538  takes  roots  in  real  time  with  an  accuracy 
that  might  well  appear  unbelievable  for  an  analog 
circuit  (Fig.  6).  When  configured  as  a  square-root 

=  V2)circ 


(M 


iircuit,  it  has  a  transfer  fu 
V„ut  =  1  V  (Vz/1  V)1/2 


Its  scale  factor  adjustment  Ri  and  offset  trimming 
resistor  R2  let  the  curcuit  reach  an  output  voltage 
that  is  within  0.35%  of  the  ideal  over  a  range  of  1  mV 
to  10  V  (80  dB).  For  an  input  range  of  10  mV  to  10  V 
(60  dB),  the  output  is  within  ±  1  mV  of  the  theoreti- 
cally correct  value.  This  is  equivalent  to  13-bit  per- 
formance referred  to  the  output  or  17  to  20  bits  re- 
ferred to  the  input.  Circuit  bandwidth  is  typically 


6-8    COMPUTATIONAL  PRODUCTS 


DESIGN  ENTRY 


Analog  computer  chip 


280  kHz  with  a  1-V  pk-pk  sine-wave  input. 

As  in  the  divider  circuit,  the  input  signal  at  Vz  is 
divided  by  the  level  at  Vx.  Its  1-V  scaling  is  obtained 
by  halving  the  2-V  reference  with  resistors  R3  and  R4, 
applying  roughly  1  V  to  both  Vx  and  VY.  Vx  is  actu- 
ally set  low,  at  0.95  V,  resulting  in  a  VY  value  that  is 
slightly  high,  providing  a  ±5%  scale  factor  trim- 
ming range.  The  voltage  terms  in  Vx  and  VY  cancel, 
producing  the  dimensionless  output  required  to 
determine  a  square  function. 

The  square  root  is  extracted  by  raising  the  quan- 
tity Vz/Vx  to  the  V2  power  with  resistors  RB  and  Rc. 
For  maximum  linearity  the  pair  of  resistors  should 
be  ratio-matched  to  better  than  ±  1  % .  Changing  the 
resistor  values  of  RB  and  Rc  (Table  1)  enables  cube, 
quarter,  and  fifth  roots  to  be  determined  according  to 
the  equation: 

M  =  Rc/(Rc+Rb). 


Finally,  to  raise  the  ratio  Vz/Vx  to  a  power  greater 
than  one,  it  is  only  necessary  to  change  the  gain  of 
the  log-ratio  subtracter  op  amp,  A3,  by  connecting  a 
single  resistor,  RA,  between  pins  A  and  D.  Varying 
the  values  of  the  resistor  (see  Table  2)  creates  M 
values  from  one  to  five  according  to  the  equation  RA 
=  196/ (M— 1)  and  allows  the  arc-tangent  function  to 
be  computed. 

Since  resistors  of  any  value  may  be  used,  the  chip 
is  not  limited  to  integral  powers  or  roots.  Vz/Vx 
could  be  raised  to  the  3.17  power,  say.  It  is  only  nec- 
essary that  M  stay  between  Vs  and  5. 
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6.  Resistors  RB  and  Rc  set  the  chip  to  take  the  square  root  of  the  voltage  at  Vz 
according  to  the  transfer  function  Vou,  =  1  V  (Vz/1  V)1/2. 
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Synchronous  System  Measures  jxils 

by  Moshe  Gerstenhaber  and  Mark  Murphy 


The  circuit  in  Fig  1  uses  a  synchronous-detection 
scheme  to  measure  low-level  resistances.  Other  low- 
resistance-measuring  circuits  sometimes  inject  unac- 
ceptably  large  currents  into  the  system  under  test. 
This  circuit  synchronously  demodulates  the  voltage 
drop  across  the  system  under  test  and  can  hence  use 
extremely  low  currents  while  measuring  resistance. 

The  lOV-pk,  1-kHz  carrier  generator  injects  a  1-mA 
reference  current  into  unknown  resistor,  RTESt-  Instru- 
ment amplifier  IC,  and  precision  op  amp  IC2A  amplify 
the  voltage  across  RTEST  by  a  gain  of  100,000.  Synchro- 
nous detector  IC:i  demodulates  this  voltage,  then  op 


amp  IC2B  acts  as  a  lowpass  filter  on  the  demodulated 
voltage.  The  lowpass  filtering  will  attenuate  all  uncor- 
rected disturbances,  such  as  noise,  drift,  or  offsets, 
while  passing  a  dc  voltage  proportional  to  the  unknown 
resistance. 

The  relationship  between  the  output  voltage  and  the 
unknown  resistance  is 

V0UT  =  10  x  (2V/it)  x  RTEST  x  105/10  kft,  or 
R  =  0.0157  xVout, 

which  is  15.7  mfl/V  at  the  circuit's  output. 
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Fig  1 — A  synchronous  demodulator  helps  this  circuit  measure  low-level  resistances  while  rejecting  uncorrelated  disturbances,  such  as 
noise,  drift,  and  offsets. 
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Modem-Circuit  Techniques  Simplify  Instrumentation  Designs 


by  Walt  Jung  and  Moshe  Gerstenhaber 


A  commutating  modem  circuit,  whether  an  IC  or  pc-board  version, 
can  serve  as  a  building  block  for  many  measurement-system 
functions,  reducing  noise  and  ensuring  the 


integrity  Oj 


Although  used  extensively  in  communications,  ampli- 
tude modulation/demodulation  can  also  serve  industri- 
al-control instrumentation  systems.  In  such  applica- 
tions, a  commutating  modulation/demodulation  circuit 
is  an  extremely  versatile  building  block  that  can  per- 
form several  functions — such  as  amplification  and  clock 
generation — in  addition  to  helping  assure  the  integrity 
of  measurement-data  transmission.  This  article  de- 
scribes the  operation  and  application  of  that  type  of 
modem  in  a  variety  of  instrumentation  situations. 

Modulating  and  demodulating  the  output  of  an  instru- 
mentation system's  sensors,  a  process  often  referred  to 
as  balanced  mod/demod,  provides  a  host  of  advantages: 

•    Ease  of  filtering 


•  Inherent  noise  discrimination 

•  Good  linearity  over  a  wide  dynamic  range 

•  Transmission  of  phase  as  well  as  amplitude  infor- 
mation 

•  Relaxation  of  intermediate-stage  amplification  re- 
quirements. 

Fig  l's  representation  of  a  typical  control-instrumen- 
tation system  helps  demonstrate  how  to  use  a  modem  to 
realize  these  advantages.  Transducers  typically  used  in 
such  control  systems — such  as  linear  and  rotary  varia- 
ble differential  transformers  (LVDTs  or  RVDTs),  ac 
bridges  and  photochoppers — measure  occurrences  that 
are  usually  static  or  slowly  varying.  This  measurement 
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Fig  1 — A  typical  instrumentation  system  can  include  a  synchronous  demodulator  that  removes  the  carrier  signal  from  a 
transducer's  modulated  output.  Using  balanced  modulation/demodulation  removes  system  offset,  drift  and  noise  too. 

— — ^ ^ — — — — — ^ — — 


COMPUTATIONAL  PRODUCTS  6-13 


Balanced  modem  circuit 
removes  low-frequency  noise 


data  can  be  imposed  on  a  carrier  signal  by  modulation; 
modulation  capability  may  be  inherent  to  the  transduc- 
er, as  is  the  case  with  an  LVDT,  or  require  use  of  an 
external  modulator,  as  with  some  types  of  photo- 
choppers. 

The  modulated  signal  is  then  typically  transmitted  to 
a  central  controller  that  extracts  raw  measurement 
data  from  the  signal.  If  the  carrier's  frequency  is  well 
above  the  measured  parameter's  rate  of  change  (typi- 
cally, a  carrier  frequency  of  about  1  kHz  gives  suffi- 
cient carrier/data  separation),  simple  post-demod- 
ulation filtering  rejects  all  noise  and  dc  errors  but 
leaves  the  original  signal  intact. 

The  balanced  modulation/demodulation  scheme  in- 
herently rejects  frequency  disturbances — such  as  1/f 
components,  drift  and  power-line  noise — that  are  either 
asynchronous  to  or  in  quadrature  with  the  demodulat- 
ing carrier.  Thus,  the  combination  of  balanced  modula- 
tion/demodulation and  filtering  eliminates  many  of  the 
chief  causes  of  measurement  errors. 

Consider,  though,  that  the  additional  modulation/ 
demodulation  circuitry  could  introduce  new  sources  of 
error.  One  type  of  modulation/demodulation  circuit,  the 
commutating  modem,  minimizes  the  sensitivity  of  the 
measurement  signal  to  variations  in  the  amplitude  and 
waveform  of  the  demodulating  carrier  signal,  thus 
minimizing  the  effects  of  demodulation  on  measurement 
results. 

To  understand  how  a  commutating  modem  minimizes 
noise  sensitivity,  consider  two  ac  signals:  a  modem 
input  that  you  wish  to  demodulate  and  a  carrier  signal 
that  you  can  use  to  do  the  demodulating.  When  the 
carrier  is  positive,  the  commutating  modem  multiplies 
the  input  by  +K  (a  scaling  constant  that  you  choose), 
and  when  the  carrier  is  negative,  by  -K.  Because  the 


carrier's  transitions  between  positive  and  negative 
states  control  the  modulation  process,  the  carrier's 
waveform  and  amplitude  do  not  affect  the  output. 

Fig  2  graphically  shows  the  commutating  modem's 
multiplication  process.  If  the  input  and  the  carrier 
signal  are  in  phase,  the  commutating  modem's  output  is 
a  positive,  full-wave-rectified  version  of  the  input. 


When  the  input  and  the  carrier  are  180°  out  of  phase, 
the  output  is  a  negative,  full-wave-rectified  version  of 
the  input.  In  either  case,  the  average  value  of  the 
output  is  proportional  to  the  amplitude  of  input  signal. 
But  for  an  input  signal  in  quadrature  with  the  carrier, 
the  output  is  a  zero  average  value.  In  other  words,  the 
averaged  output  is  proportional  to  the  input  amplitude 
as  well  as  the  phase  difference  between  the  input  and 
the  carrier. 

Because  modulation  and  demodulation  are  reciprocal 
processes,  the  Fig  2  waveforms  can  also  apply  to  a 
modulation  scheme  in  which  the  input  and  output  are 
reversed.  That  is,  when  the  signal  labeled  output  is 
mixed  with  the  carrier  at  the  modulator,  that  device 
creates  the  waveforms  marked  input. 

This  reciprocity  is  a  powerful  advantage  of  balanced 
modulation/demodulation  because  it  allows  you  to  use  a 
common  circuit  for  both  modulation  and  demodulation. 
And  most  hardware  implementations  of  the  balanced 
modulation/demodulation  circuit  function  are  designed 
to  be  used  either  way. 

Fig  3  shows  a  commutating  balanced  modulation/ 
demodulation  circuit  that  you  can  build  with  standard 
components.  This  circuit,  commonly  used  in  data  acqui- 
sition and  signal  processing,  is  called  an  absolute-value 
circuit,  a  precision  rectifier  or  a  sign-programmable 
amplifier,  depending  on  its  specific  use. 

The  Fig  3  circuit  is  optimized  for  the  commutating 
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•THE  DASHED  LINE  EQUALS  THE  AVERAGE  DC  OUTPUT. 



Fig  2 — Demodulating  an  input  signal  produces  different  outputs  depending  on  the  phase  relationship  between  the  signal  and  the 
modulating  carrier.  The  average  dc  output  is  positive  (a),  negative  (b)  or  zero  (c)  when  the  input  and  carrier  are  in  phase,  1 80°  out  of 
phase  or  90  or  270°  out  of  phase,  respectively.  For  simplicity,  the  input  is  shown  as  a  sine  wave  of  the  same  frequency  as  the  carrier, 
but  a  carrier  whose  frequency  is  an  odd  multiple  of  the  signal  frequency  produces  similar  average-dc  results. 
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A  commutating  modem  IC 

The  AD630  includes  all  the  circuit 
blocks  needed  to  implement  bal- 
anced modulation  and  demodula- 
tion with  high  precision  in  a  single 
IC.  Shown  functionally  in  the  fig- 
ure, it  contains  two  uncommitted 
op-amp  input  stages,  A  and  B. 
Depending  on  the  state  of  the 
input  to  the  IC's  integral  compara- 
tor, either  stage  A  or  B  is  con- 
nected to  the  chip's  integrating 
output  stage.  When  pin  10  is  high 
relative  to  pin  9,  input  stage  A  is 
active;  when  the  reverse  is  true, 
input  stage  B  is  active. 

The  chip's  comparator  is  an  in- 
ternally latched  stage  with  a  speci- 
fied switching  window  of  ±1 .5  mV 
(max),  a  window  that  includes  not 
only  comparator  offset  but  a  hys- 
teresis of  about  0.2  mV  as  well. 
The  hysteresis  is  built  in  to  make 
switching  clean  and  unambigu- 
ous, even  with  slowly  varying  or 
noisy  signals. 

When  switched,  the  AD630  can 
slew  as  fast  as  45V/|j.sec  between 
the  output  limits.  In  response  to  a 
20V  step,  the  output  typically  set- 
tles to  within  0.01%  of  the  final 
value  in  3  u.sec. 

Inputs  to  stages  A  and  B  can  be 
connected  into  conventional 
op-amp  feedback  loops,  either 
with  external  components  or  inter- 
nal resistors.  On-chip  resistors  are 
ratio-trimmed  for  precise  gains  of 
±1,  ±2,  +3  and  +4  and  are  easily 
configured  by  appropriate  pin 
strapping.  Other  gains  are  possi- 
ble with  external  resistors. 

The  advantage  of  the  internal 
resistors  lies  not  only  in  their  con- 
venience, but  also  in  their  preci- 
sion. Gain  error  is  0.05%  (max)  for 
B  and  K  grade  devices  and  0.5% 
for  other  grades.  These  resistors 
also  feature  a  2-ppm/°C  tracking 
specification.  Resistors  for  bias- 
current  compensation  are  also 
available  at  the  A+  and  B+  inputs 
for  optional  use  in  attaining  the 
highest  dc  accuracy. 

With  its  on-chip  resistors,  the 
AD630  can  achieve  submillivolt  dc 


offsets  and  0.1%  or  better  dc  ac- 
curacy without  user  trimming  or 
gain-setting  resistors.  The  dynam- 
ic specifications  are  such  that  the 
device  is  generally  useful  for 
modem  uses  to  100  kHz,  and  it  is 
useful  with  high  precision  through 
the  range  of  common  instrumen- 
tation carrier  frequencies — well 
above  the  limits  of  0.5V/u.sec- 
slew-rate  devices. 

All  AD630  family  devices  come 
in  plastic  or  ceramic  20-pin  DIPs 
and  operate  from  standard  ±  1 5V 
supplies,  with  conventional  ±10V 
input/output  ranges. 

Many  details  of  the  AD630's 
design  prove  advantageous  in 
various  applications.  For  example, 
you  can  use  the  open  collector 
output  from  the  comparator  (pin  7) 
as  a  logic  status  indicator.  This 
status  output  can  be  used  with  an 
external  pullup  resistor  to  a  posi- 
tive voltage  and  can  sink  load 
current  to  -Vs  in  the  0  state. 

Another  useful  feature  is  that 




you  can  optimize  device  frequen- 
cy compensation  by  strapping  pin 
12  to  13.  Doing  so  reduces  device 
bandwidth  and  phase  at  unity  gain 
to  its  lowest  value  and  reduces 
slew  rate  to  35V/jjLsec.  With  this 
pin  open,  the  device  speed  is  at  its 
45V/u,sec  maximum. 

Two  optional  dc-offset  trim  con- 
nections use  a  pair  of  10-kfl  trim- 
mers: one  between  pins  5  and  6 
and  the  other  between  pins  3  and 
4.  The  wipers  of  both  trimmers  are 
tied  to  -Vs  (pin  8).  The  offset 
trimmer  between  pins  3  and  4  is 
first  adjusted  for  a  minimum-level 
square-wave  output  with  a  switch- 
ing signal  applied  to  the  compara- 
tor and  0V  dc  input.  The  offset 
trimmer  at  pins  5  and  6  is  then 
used  to  adjust  the  output  offset  to 
zero,  with  the  comparator  state 
fixed.  These  offset  trims  need  only 
be  used  in  the  most  demanding 
applications  because  of  the  low 
level  of  pretrimmed  offset. 
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Uncommitted  op-amp  inputs  A  and  B  allow  the  AD630  to  operate  as  a  commutating 
modem.  An  integral  comparator  selects  between  the  two  stages  depending  on  the 
relative  input  levels  at  pins  9  and  10. 
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The  commutating  modem 
is  useful  in  many  applications 


function  and  minimizes  errors  from  both  the  dc  and  ac 
sources.  The  carrier  input  controls  output  polarity  with 
switch  SWi  set  as  shown,  and  the  circuit  functions  as  a 
modulation/demodulation  circuit  that  exhibits  the  Fig  2 
waveforms.  It  might  also  be  correctly  referred  to  as  a 
sign-bit  amplifier,  generally  used  in  A/D  or  D/A  conver- 
sion. In  conversion  applications,  the  carrier  input  would 
be  called  the  sign-bit  input. 

When  comparator  stage  A3  is  driven  by  the  input 
signal  rather  than  the  carrier,  the  circuit  is  an  absolute- 
value  (or  precision  rectifier)  circuit.  Regardless  of 
which  signal  does  the  driving,  the  output  polarity  can 
be  changed  by  reversing  the  input  of  comparator  A3. 

Although  furnishing  good  performance,  this  circuit 
needs  three  separate  active  devices,  a  matched  pair  of 
precision  resistors,  board  space,  and  design  and  debug 
time  to  build  it.  Furthermore,  you  have  to  optimize  the 
amplifier  for  low  noise,  low  offset  and  low  drift  and  fast 
slew  rate — not  a  trivial  design  problem.  Integrating 
these  components  with  an  eye  toward  such  performance 
objectives  would  be  a  logical  improvement  (Ref  1),  and 
a  chip  that  does  just  that  is  discussed  in  the  accompany- 
ing box  ("A  commutating-modem  IC").  This  chip  is  used 
for  simplicity  in  the  examples  that  follow,  but  the 
discrete  circuit  of  Fig  3  could  also  be  used. 

Fig  4a  shows  a  general-purpose  modulation/demodu- 


lation circuit  using  the  AD630.  It  is  basically  a 
switched-gain  circuit  with  an  absolute  gain  of  2;  the 
Vref  input  to  the  comparator  determines  the  output 
polarity.  Like  the  Fig  3  circuit,  this  circuit  can  be  used 
as  a  modulator  or  demodulator,  a  sign-bit  amplifier,  an 
absolute-value  (precision  rectifier)  circuit  or  a  phase 
detector  applied  to  the  device. 

To  understand  the  circuit  operation,  think  of  the 
AD630  as  having  three  separate  internal  functions:  a 
comparator  stage  and  an  output  stage  and  two 
switched-input  stages,  only  one  of  which  is  on  at  a  time, 
depending  on  comparator  state.  The  active  input  stage 
in  conjunction  with  the  output  stage  forms  a  single 
composite  op  amp,  so  you  can  regard  the  AD630  as  an 
op  amp  that  has  two  configurations  depending  on  the 
comparator  input. 

For  example,  with  input  stage  A  on,  the  overall 
circuit  is  equivalent  to  that  of  Fig  4b.  The  circuit  has  a 
noninverting  gain  of  2  when  VREf  is  greater  than  V0v,  or 
in  general,  when  the  AD630's  pin  10  has  a  higher  input 
than  its  pin  9.  Conversely,  when  input  stage  B  is  on, 
the  overall  circuit  is  equivalent  to  the  circuit  of  Fig  4c. 
This  circuit  has  an  inverting  gain  of  2  when  VrEF  is  less 
than  V0v,  or  in  general,  when  pin  10  is  lower  than  pin  9. 

In  this  circuit,  the  feedback  loop  that  sets  the  gain  at 
2  is  defined  using  the  chip's  internal  resistors  that  are 
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Fig  3 — Known  by  a  variety  of  names,  the  basic  commutating  modulator/demodulator  circuit  is  < 
comparator  Aj's  carrier  input,  selected  with  switch  SW,  in  the  position  shown,  is  a  sign-bit  signal, 
input,  the  circuit  is  called  an  absolute-value  or  precision-rectifier  circuit. 
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connected  to  the  circuit's  pins  13,  14,  15  and  16. 
Including  a  variety  of  internal  precision  resistors  with 
pin-accessible  taps  lets  you  use  jumpers  to  simply  select 
the  gain  state  desired.  If  you  should  decide  to  use  your 
own  external  feedback  components,  the  sign  and  the 
gain  magnitude  might  be  different.  Regardless  of  the 
feedback-loop  approach  you  choose,  the  active  state  of 
inputs  A  and  B  (Fig  4b  and  Fig  4c)  remain  generally 
true. 

In  many  applications,  the  A  and  B  inputs  are  often 
interconnected,  as  A-  and  B-  are  in  Fig  4a.  This 
presents  no  output  problem  because  the  deselected 


input  is  switched  off  and  presents  no  extra  loading  to 
the  summing  point. 

However,  the  circuit  presents  different  loads  at  its 
signal  input  depending  on  the  input  to  the  comparator. 
Note  that  the  inverting  configuration  B  in  Fig  4c 
presents  a  load  equal  to  Rin,  or  5  kft,  when  this  input  is 
selected,  and  the  noninverting  stage  (Fig  4b)  presents 
an  input  impedance  intrinsically  higher.  Thus,  the 
external  input  source  faces  a  load  that  varies  dynami- 
cally. To  maintain  the  highest  precision,  you  may  have 
to  add  an  input  buffer  to  compensate  for  this  dynamic 
loading. 
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Fig  4 — A  building  block  IC  like  the  AD630  can  be  turned  into  a  balanced  modulator/demodulator  (a)  similar  to  that  in  Fig  3.  Using 
the  chip's  precision  resistors  to  set  the  gain  (to  a  value  of  2  with  the  configuration  shown  here)  eliminates  the  need  for  trimming  in 
most  applications.  The  equivalent  circuits  seen  when  looking  into  the  AD630's  input  when  channel  A  or  Bis  active  are  shown  in  (b) 
and  (c),  respectively,  and  the  supply-conditioning  circuitry  for  the  chip  appears  in  (d). 
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LVDTs'  inherent  modulation 

rcmiir«  o  rw<»/~ie/»  „„„„„  uio- 

tinct  advantages  over  the  traditional  op-amp  approach. 
Even  when  implemented  with  high-performance  ampli- 
fiers, traditional  absolute-value  circuits  have  classic 
problems:  With  high-frequency  inputs  of  low  amplitude, 
for  example,  the  op  amp  must  slew  for  high  percentages 
of  the  time  to  accommodate  the  diode  thresholds.  As  a 
result,  the  output  waveform  can  be  severely  distorted. 
The  balanced-modulator  approach  alleviates  this  prob- 
lem simply  by  changing  the  sign  of  the  forward  signal 
path  in  synchronism  with  the  zero  crossings,  with  no 
diode  thresholds  to  overcome.  Using  the  Fig  4  configu- 


iwuu  ao  a  gam-oi-i  ausoiuie- value  circuit  produces  Fig 
5's  results. 

Such  balanced  modulation/demodulation  techniques 
are  highly  useful  with  a  variety  of  common  transducers. 
What's  more,  a  number  of  transducer  types  lend  them- 
selves to  this  approach  because  they  perform  the  modu- 
lation of  an  ac  carrier  as  an  integral  part  of  their 
transducing  function.  Examples  of  such  transducers  are 
those  that  fall  in  the  LVDT  and  ac-bridge  categories. 
Other  types,  such  as  some  photochoppers,  don't  furnish 
modulation  and  require  further  interfacing  to  modulate 
their  outputs.  The  Fig  3  and  Fig  4  circuits  can  be  built 


Fig  5 — In  an  absolute-value  circuit  with  a  gain  of  2,  the  AD630  produces  positive  rectified  outputs.  In  (a),  the  2-kHz,  25-mV  pk 
signal  at  the  top  produces  the  50-mV  pk  rectified  output  below  it.  In  (b),  a  high-amplitude  (5V  pk),  high-frequency  (20-kHz)  signal  at 
top  produces  the  10V  pk  output  below  it.  In  either  case,  the  sign  of  the  input  is  available  from  the  device's  status  output. 


Fig  6 — A  linear  variable  differential  transformer  whose  measurement  signal  rides  on  a  IV  rms,  2.5-kHz  carrier  can  work  with  a 
commutating  modulation/demodulation  circuit  such  as  the  one  shown  in  Fig  4.  The  lowpass  filter  at  right,  with  a  10-Hz  corner 
frequency,  removes  any  high-frequency  noise. 
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into  or  added  to  the  sensor/transducer  to  provide  this 
modulation. 

Among  the  transducers  that  have  integral  modulat- 
ing capability,  the  LVDT  measures  linear  displacement, 
and  a  related  type,  the  RVDT,  measures  rotary  dis- 
placement (Ref  3).  Although  the  mechanical  construc- 
tion of  these  two  types  of  transducers  differs,  they 
share  many  electrical  similarities.  Therefore,  similar 
electrical  considerations  apply  to  the  application  of 
either  type  of  device. 

A  transducer  of  either  type  is  really  a  specialized 
transformer.  The  transformer  is  connected  with  two 
secondary  windings  in  series  opposition  and  exhibits  a 
minimum  electrical  output  at  the  LVDT's  mechanical 
null  point.  The  core  motion,  controlled  by  the  object 
whose  displacement  is  to  be  measured,  varies  the 
mutual  inductance  between  the  primary  and  the  two 
secondaries.  This  variation  produces  a  variable-phase 
and  -amplitude  ac  output  that  is  linearly  proportional  to 
the  core  displacement.  A  balanced  demodulator  can 
transform  this  variable  ac  output  into  a  bipolar  dc 
output  that,  when  referred  to  the  LVDT  reference,  or 
null,  position,  indicates  the  displacement. 

The  LVDT's  physical  advantages  lie  in  the  virtues  of 
a  low  core  mass,  an  essentially  frictionless,  no-hystere- 
sis action,  infinite  resolution,  and  long  mechanical  life. 
Electrical  advantages  are  the  low  sensitivity  to  exter- 
nal fields  and  the  high  common-mode  isolation  that  a 
transformer  inherently  affords.  The  main  disadvantage 


Fig  7— To  trim  a  carrier  signal  so  that  it's  in  phase  with  the 
input  signal,  you  can  use  this  lead-lag  network.  With  the 
transducer  at  its  maximum  value,  adjust  resistor  R3  to  maxi- 
mize the  circuit's  average  dc  output. 


is  the  relatively  high  cost,  which  tends  to  be  proportion- 
al to  core  length  and  accuracy.  LVDTs  come  in  a  wide 
variety  of  mechanical  and  electrical  configurations, 
with  different  nonlinearity  and  sensitivity  specifica- 
tions (Ref  3). 

Fig  6  shows  a  representative  application  using  a 
general-purpose  LVDT,  a  Schaevitz  Engineering 
(Pennsauken,  NJ)  Model  HR  1000,  whose  core  can 
travel  distances  of  ±1  in.  and  whose  output  i:  'i 
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Fig  8 — To  measure  changes  in  a  bridge's  variable  arm,  this  circuit  uses  a  demodulator  and  filter  similar  to  those 
bridge  circuit's  low-voltage  output,  however,  requires  use  of  a  high-gain  instrumentation  amplifier,  and  the  circuit  requi 
bridge  driver  such  as  the  one  shown  in  Fig  9. 
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Carrier  phase  trimming 
may  be  needed  for  accuracy 


within  0.25%  FS.  This  circuit  demonstrates  some  of  the 
general  principles  of  LVDT  interfacing  and  can  be  used 
as  a  guide  with  other  variable  differential  transform- 
ers. With  the  Fig  6  circuit,  system  errors  due  to  the 
electronics  are  negligible,  and  transducer  errors  pre- 
dominate. 

The  HR  1000  can  handle  a  3V  rms  maximum  excita- 
tion signal.  An  LVDT's  sensitivity  is  typically  specified 
in  terms  of  millivolts  of  output  per  volt  of  excitation  per 
mil  (0.001  in.)  of  displacement  (m"V7V/mil).  For  thi 
device,  the  rated  sensitivity  is  0.39  mV/V/mil,  so  wit] 
an  excitation  signal  of  1.0 V  rms,  the  HR1000  produces 
a  390-mV  rms  FS  (1-in.  displacement)  output.  In  Fig  6, 
a  demodulator  with  a  gain  of  2  processes  the  LVDT 
output,  doubling  the  sensitivity  and  producing  a 
780-mV  rms  FS  output. 

A  Sallen-and-Key  two-pole  active  filter  with  unity 


gain  filters  the  demodulator  output  and  buffers  it  to  a 
low  impedance.  This  circuit,  using  A3  and  the  associated 
passive  components,  employs  a  maximally  flat  Butter- 
worth  alignment  for  minimum  passband-amplitude  er- 
rors. This  filter's  corner  frequency  is  approximately  10 
Hz,  and  the  filter  yields  more  than  80  dB  of  ripple 
attenuation  for  carriers  as  low  as  1  kHz.  Although  this 
application  is  fairly  straightforward,  it  serves  to  point 
out  certain  general  rules  you  should  know  to  use 
LVDTs  effectively. 

For  maximum  sensitivity  and  a  minimum  of  suscepti- 
bility to  carrier-frequency  changes,  the  LVDT  should 
see  a  high-impedance  load.  In  Fig  6,  a  follower-con- 
nected FET-input  op  amp  that  acts  as  a  buffer  provides 
this  load.  The  op  amp  also  provides  the  balanced 
demodulator  with  a  low  source  impedance  that  makes 
the  circuit  insensitive  to  dynamic  load  changes. 








A  stable  oscillator 

The  performance  of  the  carrier 
oscillator  is  critical  to  high-ac- 
curacy balanced  modem  signal 
processing.  Although  absolute  ac- 
curacy and  long-term  frequency 
stability  are  not  highly  critical,  am- 
plitude stability  and  waveform  pur- 
ity are. 

Amplitude  stability  is  critical  be- 
cause the  voltage  level  of  the  car- 
rier signal  applied  to  an  LVDT  or 
an  ac  bridge  directly  affects  the 
overall  system  sensitivity.  There- 
fore, the  carrier  amplitude  must  be 
stable  against  loading,  time,  sup- 
ply-voltage and  temperature 
changes.  Waveform  purity  is  also 
important — high  harmonic  content 
can  introduce  errors,  particularly 
with  regard  to  the  LVDT  null. 

The  circuit  shown  in  the  figure 
satisfies  these  amplitude  and 
waveform  requirements.  It  is  a 
spot-frequency  sine-wave  oscilla- 
tor whose  frequency  can  be  set  to 
a  value  in  the  1  -  to  5-kHz  range.  It 
produces  a  1V  rms  output  with 
harmonic  distortion  on  the  order  of 
0.05%  or  less. 

The  oscillator  uses  a  Wien 
bridge  configuration  built  around 
FET-input  op  amp  A,A.  The  Wien 
network  consists  of  frequency-de- 


termining components  R,-C,  and 
R2-C2.  An  oscillator  frequency  of  1 
or  2.5  kHz  can  be  selected  by  the 
choice  of  the  timing  components 
indicated  in  the  figure. 

Although  the  Wien  bridge  can 
provide  a  pure  sine  wave,  auto- 
matic gain  control  (AGC)  is  re- 
quired to  regulate  the  output  am- 
plitude. AGC  is  provided  by  first 
having  A3,  an  AD536J  rms/dc  con- 
verter, detect  and  convert  A1A's 
output.  Op  amp  A,B  then  com- 
pares A3's  rectified  output  to  a  dc 
reference  voltage.  In  the  process, 
A,b  integrates  the  input  and  sup- 
plies the  resultant  output  as  the 
gate  voltage  for  Q, . 

A,,  an  AD584,  supplies  the  dc 
reference  voltage  to  which  A3's 
output  is  compared.  It  applies  a 
stable  +2.5V  dc  to  the  amplitude- 
controlling  potentiometer  R8.  With 
a  2V  control-voltage  potential  ap- 
plied to  R6  from  the  arm  of  R8,  the 
loop  develops  a  1V  rms  output 
from  the  AD644  oscillator  stage 
A1A,  which  is  available  at  TP,. 

So  as  not  to  disturb  the  auto- 


accommodate  different  output  lev- 
els while  the  oscillator  stage  itself 
operates  at  a  fixed  low  level  for 
best  stability  and  lowest  distor- 
tion. This  oscillator  can  operate 
with  supply  voltages  ranging  from 
±5V  to  ±15V,  but  best  perform- 
ance occurs  at  ±  1 5V. 

Although  the  inherent  stability 
of  the  AGC  system  nulls  the  differ- 
ences in  individual  FET  devices, 
there  still  may  be  applications 
where  the  carrier  amplitude  error 
might  need  to  be  monitored.  With 
this  circuit,  such  an  output  (TP2)  is 
provided  from  the  AD536J's  inter- 
nal buffer  at  pin  6. 

The  dc  voltage  at  TP2  is  propor- 
tional to  the  ac  carrier  amplitude  to 
within  0.5%.  It  can  be  used  simply 
for  monitoring  the  carrier  or  as  a 
reference  signal  for  ratiometric- 
balanced  detection.  The  latter  use 
is  much  more  effective  than  the 
former  for  system  error  minimiza- 
tion because  an  appropriately 
scaled/filtered  version  of  this  sig- 
nal can  be  used  as  an  A/D  con- 
verter reference  voltage,  and  thus 


matic  control  loop  with  external  the  A/D  converter  provides  ratio 

loading  effects,  A2  buffers  the  out-  metric  conversion, 
put.  This  design  also  lets  you  ad- 
just the  gain  of  the  buffer  stage  to 
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This  op  amp  can  also  serve  to  introduce  gain  scaling. 
If  you  opt  for  gain  scaling  here,  low  temperature- 
coefficient  resistors  with  ratios  that  track  closely  yield 
the  best  gain  stability.  Although  amplifier  drift  and 
offset  at  this  point  is  not  critical,  gain  stability  is 
because  it  directly  influences  overall  sensitivity. 

Depending  on  the  specific  transducer  used,  a  phase- 
trim  network  might  be  needed  in  the  reference  chan- 
nel. The  Fig  7  combination  lead-lag  network  provides  a 
carrier  reference  phase  trim  for  minimum  dc  output  at 
null,  and  if  used  it  should  be  connected  between  the 
carrier  generator  and  the  AD630  as  indicated.  The 
circuit  should  employ  stable  components,  which  suggest 
a  high-resolution  multiturn  trimmer  for  R3,  and,  for  the 
other  components,  fixed-value  capacitors  and  resistors 
with  low  temperature  coefficients.  Metal-film  resistors 
and  polystyrene  capacitors  offer  this  performance. 




A  -  previously  noted,  the  carrier  excitation  voltage 
applied  to  the  LVDT  directly  influences  the  overall 
system  sensitivity.  Therefore,  the  carrier  generator 
should  provide  a  stable,  low-distortion  sine  wave  (see 
box,  "A  stable  oscillator")  and  should  be  ac  coupled 
with  the  LVDT,  as  Fig  6  shows,  to  eliminate  any 
possible  primary  dc  in  the  transducer;  any  dc  voltage 
here  could  result  in  nonlinearity  or  catastrophic  faults. 

Use  balanced  modems  with  ac  bridges 

The  oscillator  requirements  also  apply  to  another 
widely  used  class  of  transducers:  bridge-type  sources. 
For  bridge  transducers  that  can  accommodate  ac  excita- 
tion as  well  as  dc,  balanced  demodulation  of  the  ampli- 
fied ac  output  suppresses  a  host  of  problems,  including 
the  drift  and  noise  of  the  (usually)  necessary  pre- 
amplification. 
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Based  on  a  Wien  bridge  that  supplies  a  sine  wave  with  little  distortion,  this  oscillator  circuit  also  employs  automatic  gain  control  to 


stabilize  amplitude. 
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AC  bridge  transducers 

work  best  with  balanced  inputs 


Fig  8  illustrates  an  ac  signal-conditioning  system 
using  a  1-kfi/leg  bridge,  driven  by  a  balanced  20V  p-p, 
1-kHz  signal.  An  AD524B  instrumentation  amplifier 
(Ref  4)  serves  as  a  1000  x  gain  block  (AO,  which  is 
followed  by  a  balanced  demodulator  with  a  gain  of  ±2 
and  by  the  10-Hz  lowpass  filter  used  with  the  LVDT. 
Phase  trim,  if  needed,  is  performed  using  Fig  7's 
network. 

Driving  the  bridge  with  balanced  signals  maximizes 
bridge  sensitivity — enabling  the  system  to  resolve 
bridge  unbalances  of  1  ppm  or  less — and  minimizes 
unbalance  problems  caused  by  stray  capacitance.  It  also 
minimizes  the  common-mode  voltage  presented  to  the 
bridge  preamp,  thus  enhancing  input  dynamic  range. 
Remember  that  those  preamp  common-mode  errors  in 
quadrature  with  the  carrier  are  nulled  in  the  balanced 


Fig  9  shows  a  push-pull  circuit  that  provides  balanced 
drive  signals  for  the  bridge.  This  driver  develops  two 


10V  p-p  waveforms  180°  out  of  phase  when  fed  a  IV  rms 
input  from  an  oscillator.  Because  ac  bridge  excitation, 
like  that  of  LDVTs,  should  be  stable  for  best  overall 
sensitivity,  the  Fig  6  circuit's  oscillator,  described  in 
the  nearby  box,  should  prove  suitable  for  this  applica- 
tion. The  ratiometric  option  for  the  oscillator  can 
be  equally  useful  with  bridge  transducers. 

The  oscillator's  output  is  fed  to  two  halves  of  a  dual  op 
amp,  with  each  half  buffered  by  a  75-mA  bipolar  output 
stage.  Although  shown  in  Fig  8  as  driving  a  1-kfl/leg 
bridge  (a  load  not  directly  suitable  for  typical  IC 
op-amp  loading),  this  buffer  can  drive  even  lower 
impedance  bridges,  down  to  300fl/leg.  Note  that  the 
feedback  resistors  (Ri  through  R4)  for  the  two  driver 
amplifiers  should  be  stable  types  with  low  temperature 
coefficients  that  track.  This  type  of  temperature-coeffi- 
cient performance  can  best  be  realized  using  a  single 
resistor-array  device. 

In  addition  to  balanced  modulation/demodulation  op- 
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Fig  9— To  drive  the  ac  bridge  in  Fig  8,  this  driver  circuit  produces  two  5V  peak  sine  waves  that  are  180°  out  of  phase 
balanced  signals  i 


.   
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Fig  10— A  dual-channel  gain  block  can  be  built  using  the  /AD630's  internal  resistors  (a)  or  with  external  resistors  (b)  tor  a  greater 
range  of  gains.  In  either  case,  you  can  select  the  desired  port  with  a  TTL-level  input  by  adding  the  R,-R2  network  (a)  to  the  negative 
input  of  the  chip's  comparator. 
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With  external  resistors, 

standard  blocks  provide  many  gains 


eration  needed  for  transducers  such  as  LVDTs  and  ac 
bridges,  instrumentation  applications  typically  need  a 
general-purpose  programmable-gain  block.  A  commu- 
tating  modem  such  as  the  AD630  can  also  fill  this  need, 
reducing  the  variety  of  parts  needed  for  an  application. 
It  can  be  configured  for  either  common  or  separate 
signal  inputs  to  the  A  and  B  stages. 

Use  commutating  modems  as  a  gain  blocks 

Fig  10a  shows  the  AD630  configured  as  a  2-channel, 
buffered,  noninverting  multiplexer  with  a  gain  of  4  on 
both  channels.  Jumper  programming  the  on-chip  gain 
resistors  as  shown  yields  the  gain  of  4;  you  can  also 
jumper  program  gains  of  1,  2  and  3  using  the  internal 
resistors  only.  Resistors  Ri  and  R2  bias  the  on-chip 
comparator's  negative  input  to  +1.4V  so  that  a  TTL  1 
at  the  positive  input  selects  channel  A  and  a  logic  0 
selects  channel  B. 

Because  this  circuit  is  self-contained  and  can  achieve 
both  high  ac  and  dc  precision,  it  can  be  quite  attractive 
as  a  basic  "no-hassle"  gain  block.  For  example,  the 
device  makes  a  good  audio-frequency  gain  block  be- 
cause it  has  a  high  slew  rate  and  low  input-stage  noise, 
typically  on  the  order  of  10  nV/Hz'*. 


With  a  few  external  resistors,  a  more  extensive 
variety  of  gains  is  possible.  Fig  10b  shows  this  more 
general  configuration.  In  this  circuit  RF  and  RB  set  a 
positive  gain,  GA,  and  RF  and  RA  set  a  negative  gain,  GB. 
Fig  10  notes  the  relationships  for  these  gains,  which 
can  be  equal  on  both  channels  or  unequal. 

Although  it  might  not  be  obvious  at  first  glance,  the 
AD630  is  also  uniquely  suited  to  precision  timing  appli- 
cations that  might  be  needed  in  instrumentation  as  well 
as  other  applications.  It  is  so  suited  because  it  contains 
all  the  active  circuitry  needed  to  generate  a  square 
wave  with  amplitude  and  frequency  characteristics. 

Build  precision  timing  circuits 

With  a  commutating  modem,  a  relatively  straightfor- 
ward approach  to  ensuring  that  the  output  has  a 
predictable  amplitude  is  to  use  a  well-defined  dc  refer- 
ence voltage  as  the  input.  Such  an  approach  causes  the 
output  of  the  modulator  (the  square  wave)  to  have  an 
amplitude  precisely  ±  K  times  the  input  reference  volt- 
age. Switching  between  these  two  states  creates  a 
square-wave  output,  and  the  switching  rate  (the  fre- 
quency of  the  square  wave)  depends  on  the  timing 
circuitry  used  to  control  switching. 


R, 

10k 


C, 
0.01  pF 


A- 

)  

A  + 

\  2  Sk  1 

B- 

I  B 

R,  4 
22.1k  < 


AD630 


-O  OUTPUT 


Fig  11— To  produce  a  square  wave  with  a  precise,  10V  p-p  amplitude,  the  AD630  switches  the  polarity  of  the  AD584KS  precision 
2.5V  dc  output  and  multiplies  it  by  a  gain  of  2.  The  square  wave  s  frequency  is  set  by  CT  and  flT;  in  this  case,  ifs  about  2  kHz. 

 :  
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Precise  timing  generation 

is  also  a  commutating  modem's  forte 


In  Fig  11,  the  AD630  is  hooked  up  as  a  switched-gain 
amplifier,  with  an  absolute  gain,  K,  of  2  set  as  in  Fig  4. 
With  the  gain  set  at  2,  the  peak  output  is  2  times  VREf, 
and  the  peak-to-peak  output  equals  4VREF.  An  AD584 
precision  reference-voltage  source  furnishes  VREF;  con- 
necting its  pin  1  to  pin  3  straps  it  for  a  +2.5V  dc  level, 
yielding  the  5V  pk,  or  10V  p-p,  circuit  output.  In 
choosing  a  VREf  source,  be  certain  that  it  has  a  low 
output  impedance  to  minimize  possible  side  effects  from 
the  dynamic  loading  of  the  switched-input  AD630. 

The  applied  reference  voltage,  VREf,  and  the  particu- 
lar gain  setting  programmed  into  the  AD630  determine 
the  accuracy  and  stability  of  the  output's  amplitude. 
The  basic  tolerance  applicable  to  an  AD584K  reference 
is  0.12%.  Using  an  AD630AD  (or  AD630JN)  strapped 
for  a  gain  of  2,  the  output's  amplitude  error  is  only  0.1% 
greater  than  that  of  the  reference  used,  indicating  less 
than  0.25%  overall  (untrimmed)  output-amplitude  tol- 
erance for  the  circuit.  This  level  of  precision  allows  the 
circuit  to  be  useful  as  an  amplitude  calibrator. 

The  two  networks  at  pins  10  and  9  (the  comparator 
inputs)  define  the  circuit's  switching  characteristics. 
The  RrR2  resistor  network  provides  positive  feedback, 
and  the  RT-CT  network  determines  the  timing  delay  in 
switching  between  states.  The  timing  expression  for 
the  circuit  is: 

f=l/(2.2RTCT). 

As  with  all  such  RC-time-constant  oscillators,  the 
predictability  and  stability  of  this  circuit  are  only  as 
good  as  those  of  the  components  used,  particularly 
those  in  the  external  timing  networks.  Both  the  R1-R2 
and  the  Rt-Ct  networks  should  have  low  temperature- 
coefficient  components;  metal-film  resistors  should  be 
used  for  Ri,  R2,  and  RT,  and  CT  should  be  a  low- 
dielectric-absorption  polystyrene  or  polypropylene  film 
capacitor  (Ref  5). 

Using  the  components  shown,  the  frequency  of  the 
output  square  wave  is  approximately  2  kHz.  The  circuit 
operates  with  the  best  predictability  and  accuracy 
below  10  kHz,  but  it  can  be  used  with  minor  degrada- 
tion to  frequencies  as  high  as  100  kHz. 

A  virtue  of  the  timing  scheme  used  in  this  circuit  is 
that  a  comparison  is  done  between  a  fraction  of  the 
output  voltage  and  an  exponential  timing  ramp  derived 
from  it.  This  basic  scheme,  popularized  by  the  ubiqui- 
tous 555  timer  (Ref  5),  provides  high  immunity  to 
changes  in  output  frequency  with  changes  in  output 
amplitude.  The  practical  advantage  of  this  scheme  is 
that  the  reference  voltage  can  be  programmed  for 
different  amplitudes,  and  the  AD630  can  be  strapped 
for  different  gains  without  disturbing  the  nominal  oper- 
ating frequency. 

Although  the  main  square-wave  output  from  the 
AD630  provides  ±5V  in  this  circuit,  the  status  output  of 


the  AD630's  comparator  is  also  available.  This  output, 
buffered  by  a  discrete  npn  transistor  as  shown,  pro- 
vides an  inverted  status  signal,  which  swings  from  +15 
to  -15V  and  can  be  interfaced  easily  to  logic  stages. 
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Commutating  Amp  Multiplies  Precisely 

by  Moshe  Gerstenhaber  and  Frank  J.  Ciarlone 


By  using  a  pulse-width-height  modulation  technique, 
the  circuit  in  Fig  1  implements  a  0.015%-accurate  mul- 
tiplier. The  circuit's  output  equals  VXVY/10.  An  AD581 
voltage  reference,  an  AD630  commutating  amplifier, 
and  an  integrator  comprising  an  AD707  op  amp,  2000- 
pF  capacitor,  and  150-kfl  resistor  first  generate  a  pre- 
cision triangle  wave.  For  a  given  state  of  the  AD630's 
output —  +  VBEF  at  TP,,  for  example — the  integrator 
ramps  until  its  output  reaches  -11V.  Then,  TP, 
changes  state  and  the  integrator  begins  ramping  to- 
ward +  11V.  The  triangle  wave's  period  is  4.4RC  or 
1.32  msec,  where  R  and  C  are  the  values  of  the  integra- 
tor components. 

The  circuit  uses  a  second  AD630  driven  by  the  vari- 
able Vx  to  compare  the  triangle  waveform  at  TP2  to 
the  signal  at  VY.  The  duty  cycle,  T,  +  T2,  at  the  output 


of  this  second  commutating  amplifier  is  as  follows: 

T1=2RC(11-Vy)/10,  and 

T2  =  2RC(11  +  VY)/10. 

During  T,,  the  voltage  at  TP4  equals  -1.1VX.  During 
the  remaining  period,  T2,  the  pulse  height  will  equal 
+  1.1VX.  Vout  is  the  average,  obtained  by  lowpass  fil- 
tering, of  this  T,  and  T2  combined  waveform  and  equals 

-1.1  VXT,+1.1VXT2_VXVY  . 
v°  T,+T2  10 

You  can  use  a  higher  bandwidth  filter  and  a  higher 
carrier  frequency  to  build  a  faster  multiplier. 


Fig  1 — Two  commutating  amplifiers  join  a  reference,  an  integrator,  and  a  i-pole  filter  to  implement  a  0.015%-accurate  multiplier. 


Reprinted  from  EDN  -  October  25,  1992 
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Build  Fast  VCAs  and  VCFs  with  Analog  Multipliers 

by  Barrie  Gilbert,  Charles  Kitchin  and  Ken  Weigel 


■ 


By  using  a  high-speed  analog-multiplier  IC,  you  can  accomplish 
signal-processing  tasks  that  are  beyond  the  reach  of  current 

digital  technology.  One  such  chip  allows  you  to  design 
megahertz-range  voltage-controlled  amplifiers  and  filters. 


If  you  understand  the  circuitry  and  operating  principles 
of  a  high-speed,  monolithic,  dual-channel  analog  multi- 
plier, you  can  realize  useful  signal-processing  functions 
that  are  difficult  or  impossible  to  accomplish  when 
using  digital  techniques.  For  example,  you  can  design  a 
variety  of  voltage-controlled-amplifier  and  filter  cir- 
cuits based  on  the  60-MHz  (typ)  AD539  analog  multipli- 
er, and  by  carefully  choosing  companion  operational 
amplifiers  for  such  circuits,  you  can  exploit  to  best 
advantage  the  multiplier  IC's  speed  and  accuracy. 

Because  the  multiplier's  signal  paths  are  almost 
transparent  (ie,  they  introduce  little  signal  delay  or 
noise),  you  can  use  the  IC  to  build  voltage-tunable 
filters  that  operate  at  much  higher  frequencies  than 
were  formerly  possible.  These  filters  exhibit  wide- 
range,  stable  Q  factors  and  avoid  the  clock  noise  associ- 
ated with  switched-capacitor  filters.  As  an  example, 
you  can  use  the  multiplier  to  configure  a  0. 12%-lineari- 
ty  voltage-controlled  filter  with  center  frequencies  as 
high  as  100  kHz. 

A  basic  2-quadrant  multiplier 

Before  looking  at  specific  applications  for  the  multi- 
plier, consider  first  how  it  performs  its  multiplication 
function.  The  AD539  has  two  signal  inputs  (Vyi  and 
VY2),  a  common  control  input  (Vx),  and  a  signal  ground. 


For  the  moment,  however,  treat  the  multiplier  as  if  it 
had  a  single  input,  VY  (Fig  1);  the  basic  operation  is  the 
same  for  each  multiplying  channel  of  the  device. 

The  common  control  input,  Vx,  controls  a  variable 
gain  resistance,  RG,  and  the  gain  of  the  circuit  is  simply 
-RZ/RG.  A  fixed  transresistance  is  formed  by  the  op 
amp  and  Rz,  where  R2  is  a  feedback  impedance  built 
into  the  AD539.  For  Vx>0, 

Rg  =  y~  x  Rz, 

where  Vw  is  the  output  voltage  and  Vu  is  a  propor- 


Reprinted  from  EDN  -  October  18,  1984 


Fig  1 — A  basic  2-quadrant  multiplier,  in  conjunction  with  an 
op  amp,  multiplies  two  input  voltages  Vx  and  Vy  to  produce 
output  voltage  Vw. 
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Multiplier  design  achieves 
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for  Vx  >  0. 


When  Vx  is  equal  to  or  less  than  zero,  Rg  becomes  an 
open  circuit  and  the  gain  is  zero.  (The  AD539  is 
designed  in  such  a  way  that  the  operational  amplifier  in 
Fig  1  is  external  to  the  multiplier;  thus,  you  can  select 
from  a  wide  range  of  available  devices  the  op  amp  that 
best  suits  your  application.  You  need  one  op  amp  for 
each  channel  of  the  multiplier.) 


o**ow?4  autrcvci .  input  v  y  i»  uuntsreu  ueiurt;  it  s  appuea 
to  RG,  resulting  in  a  constant  input  resistance  of  about 
350  kft.  The  buffer  has  a  limited  signal  range  (specified 
as  ±2V  but  usable  to  ±4V  in  many  cases).  Input  Vx 
presents  a  relatively  low  input  resistance  of  500ft,  and 
it  has  a  full-scale  range  from  zero  to  +3V  with  a  10% 
overrange  capability.  Values  of  Vx  below  zero  will  not 
cause  signal  feedthrough,  but  they  could  lead  to  control 
feedthrough  in  some  applications. 

The  other  resistance  in  the  gain  equation,  Rz,  has  a 
nominal  value  of  6  kft.  To  improve  versatility,  an 
identical  resistor,  Rw,  halves  the  gain  (ie,  it  doubles  the 


The  past  and  present  of  multipliers 


Inexpensive  monolithic  multipliers 
first  appeared  around  1970,  fol- 
lowing the  discovery  of  the  trans- 
linear  principle,  which  exploits  the 
precise  logarithmic  properties  of 
bipolar  transistors.  The  first  gen- 
eration of  such  multipliers  in- 
cluded simple  diffused  circuits  of 
low  accuracy  (2  to  5%  after  manu- 
al trimming),  and  they  required 
many  external  components. 

As  the  art  of  multiplier  design 
matured,  it  became  possible  to 
put  the  complete  function — includ- 
ing input  interfaces,  output  ampli- 
fier and  scaling  reference — on 
one  chip,  using  stable  thin-film 
resistors.  With  such  devices,  you 
could  strap  pins  to  perform  multi- 
plication and  division  and  to  calcu- 
late squares  and  square  roots.  It 
was  still  necessary,  however,  to 
compensate  manually  for  three 
offset  voltages  and  to  calibrate  the 
scale,  an  awkward  and  time-con- 
suming chore.  The  limitations  of 
the  supporting  circuitry  prevented 
the  full  utilization  of  the  inherently 
high  bandwidth  (about  50  MHz)  of 
the  multipliers'  cores. 

These  limitations  faded  with  the 
third  generation  of  multipliers  in 
the  mid-1970s.  These  were  indi- 
vidually calibrated  by  laser-trim- 
ming the  thin-film  resistors  while 


circuits  were  still  in  the  wafer  multiplier 


stage.  On-line  instrumentation  as- 
sured high  accuracy  by  minimiz- 
ing the  total  error  of  each  device. 
The  assembled  circuit  met  the 
specified  accuracy  in  all  its  basic 
configurations.  However,  the 
bandwidth  was  still  only  1  MHz, 
and  the  distortion  and  noise  per- 
formance were  not  outstanding. 

The  latest  generation  of  multipli- 
ers addresses  real-world  signal- 
processing  requirements  more 
closely  than  its  predecessors. 
Static  accuracy — conformity  to  an 
ideal  transfer  characteristic  under 
dc  conditions — is  now  more  than 
1 00  times  higher  than  that  of  early 
multipliers.  More  important,  such 
neglected  matters  as  bandwidth, 
differential  gain  and  phase  lineari- 
ty and  noise  are  now  receiving 
more  emphasis. 

Today,  analog  multipliers  are 
available  in  many  types,  differenti- 
ated by  the  actual  function 
provided  and  the  application.  All 
have  two  input  ports  and  one  out- 
put port,  and  they  all  generate  the 
product  of  the  two  inputs.  An  im- 
portant class  of  these  circuits  ac- 
cepts inputs  of  either  polarity  and 
preserves  the  signs  to  generate 
an  output.  When  both  inputs  have 
essentially  linear  amplitude  re- 
sponse the  device  is  a  4-quadrant 


A  second  class  of  multiplier  ac- 
cepts a  bipolar  input  at  its  linearly 
responding  input  port  but  re- 
sponds to  only  one  polarity  at  its 
control  port.  In  this  2-quadrant  de- 
vice, only  the  signal  input  can 
change  sign.  The  AD539  is  a  2- 
quadrant  multiplier:  Its  control 
input  (X)  can  be  positive  only  (0  to 
3V  full  scale),  whereas  the  signal 
inputs  (Y)  can  be  bipolar  (±2V  full 
scale). 

As  is  often  the  case,  a  tradeoff 
in  performance  in  one  area  results 
in  worthwhile  improvements  else- 
where. For  example,  in  voltage- 
controlled  amplifiers,  it  is  unnec- 
essary and  undesirable  for  the 
multiplier  to  respond  to  both  polar- 
ities at  the  control  input  because 
the  primary  objective  is  to  control 
only  the  magnitude  of  the  output, 
not  its  phase.  Two-quadrant  multi- 
pliers provide  greater  gain  accura- 
cy and  lower  noise  than  compara- 
ble 4-quadrant  devices  in  such 
applications. 

Finally,  some  applications — 
mostly  in  analog  computing — re- 
quire operation  in  only  one  quad- 
rant. One-quadrant  devices  some- 
times appear  as  log-antilog 
circuits  and  usually  have  high  stat- 
ic accuracy  at  the  expense  of 
speed. 
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value  of  Vti  to  2V)  when  placed  in  parallel  with  Rz.  This 
gain-adjustment  capability  is  useful  when  you  want  to 
maintain  the  output  swing  at  a  value  that's  near  the 
same  level  as  the  input.  Rw  can  also  be  used  to  add  an 
additional  signal  to  the  output. 

The  output  from  the  AD539  is  actually  a  current  of 
nominally  ±1  mA  (±2.2  mA  peak),  which  can  drive  a 
grounded  resistive  load  as  high  as  500©  at  the  multipli- 
er's full  bandwidth,  conservatively  rated  at  30  MHz 
min.  Balance  between  the  two  channels  of  the  chip  is 
excellent:  Using  precision  50H  loads,  the  gains  track 


within  0.025  dB,  and  phase  matches  within  ±0.1°  from 
dc  to  10  MHz. 

The  use  of  external  op  amps  provides  other  design 
benefits.  For  instance,  without  external  op  amps,  you 
must  use  low-resistance  loads  to  profit  from  the  full 
bandwidth  of  the  AD539's  signal  channels,  but  such 
loads  limit  outputs  to  a  few  hundred  millivolts.  Also, 
the  loading  affects  the  scaling;  it  becomes  less  exact, 
because  it  involves  the  ratio  of  the  external  load  to  the 
internal  thin-film  resistors  (which  have  an  absolute 
tolerance  of  about  20%). 
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Fig  2 — This  dual-channel  voltage-controlled  amplifier  (VCA)  exhibits  0.05%  total  harmonic  disortion  at  10  kHz. 
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Fig  3 — The  frequency  response  of  the  Fig  2  dual-channel 
VCA  incorporating  an  AD509  op  amp  demonstrates  that 
signal  bandwidth  is  virtually  independent  of  gain. 
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Fig  4 — The  -3-dB  bandwidth  exceeds  25  MHz  when  you 
use  the  ADLH0032  hybrid  op  amp  in  the  Fig  2  dual-channel 
VCA. 
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Chip  multiplies  signal  input 
by  magnitude  of  control  voltage 


However,  when  you  use  external  op  amps  and  the  cy.  Furthermore,  the  performance  of  the  op  amp  pri- 

IC's  internal  feedback  resistors  Rz  and  Rw  to  provide  marily  determines  the  bandwidth  capability  of  the 

current-to-voltage   conversion,   the  ratio  of  these  circuit.  For  example,  using  an  AD509  op  amp,  the 

matched  internal  resistors  with  respect  to  RG  deter-  -3-dB  bandwidth  is  about  6  MHz;  using  an  ADLH0032 

mines  the  scaling  and  thereby  guarantees  high  accura-  hybrid  op  amp,  25  MHz  is  possible.  And  in  situations 


signal  current  is  still  applied  to  Q, 
and  Q2,  the  output  is  now  taken 
from  their  collectors.  When  lx=0, 
Q3  and  Q4  are  off,  and  the  circuit  is 
simply  a  cascode  circuit.  There 
are  no  mechanisms  for  even-  or 
odd-order  distortion  generation 
other  than  the  negligible  effect  of 
nonlinear  alpha.  The  base  resis- 
tances no  longer  contribute  noise. 
The  effective  transresistance  is 
now  simply  RY;  it  does  not  depend 
on  the  accuracy  of  a  current  ratio 
as  in  the  previous  circuit. 

When  lx  is  equal  to  lY,  the 
source  currents  are  completely  di- 
verted from  Q,  and  Q2,  so  the 
output  shuts  off.  The  high-fre- 
quency feedthrough  is  now  very 
small  because  CBC  of  Q,  and  Q2  no 
longer  connect  the  input  to  the 


output.  For  values  of  lx  between 
zero  and  lY,  the  effective  transre- 
sistance is  RY/(1-(lx/lY)).  Conse- 
quently, the  circuit  behaves  like  a 
cascode  that  has  controllable 
gain.  Analysis  shows  that  the  dis- 
tortion caused  by  area  mismatch- 
es and  resistances  is  much  lower 
than  that  of  the  first  circuit. 

The  controlled  cascode  used  in 
the  AD539  is  a  derivative  of  Fig 
B's  circuit.  It's  a  configuration  that 
also  eliminates  a  troublesome 
peak  in  high-frequency  response 
arising  from  Cbc  of  Q3  and  Q,. 
Furthermore,  the  design  of  the  cell 
transistors  achieves  a  balance  be- 
tween the  conflicting  require- 
ments of  low-  and  high-frequency 
accuracy. 


T  SIGNAL  OUTPUT  ? 


Controlled-cascode  design 

The  AD539  employs  a  controlled- 
cascode  design  that  allows  it  to 
operate  at  frequencies  to  60  MHz. 
In  contrast,  a  typical  2-quadrant 
multiplier  (Fig  A)  consists  of  a 
translinear  cell  (Q,  through  Q„) 
and  a  voltage-to-current  converter 
(Q5,  Q6  and  RY).  Translinear  cir- 
cuits operate  entirely  in  the  cur- 
rent mode;  their  behavior  is  large- 
ly dependent  on  the  ratios  of 
currents,  which  result  from  the  lin- 
ear dependence  of  transconduc- 
tance  on  current. 

Input  voltage  VY  determines  the 
value  of  a  pair  of  complementary 
currents  through  Q,  and  Q2.  Be- 
cause the  ratio  lQ3/lQ4  is  equal  to 
Iqi/IQ2  and  the  magnitude  of  the 
output  is  proportional  to  lx,  the 
overall  circuit  behaves  as  a  con- 
trolled transresistance  of  value 
RYlY/lx. 

There  are  several  sources  of 
distortion  and  noise  in  this  circuit: 

•  Vbe  mismatch  in  Q,  through 
Q4  generates  even-order 
distortion,  the  magnitude  of 
which  is  independent  of  lx. 

•  Junction  resistance  causes 
odd-order  distortion,  which 
is  zero  at  only  one  lx  value. 

•  Junction  resistances  also 
generate  a  noise  compo- 
nent proportional  to  lx. 

•  Collector-base  capacitanc- 
es at  Q3  and  Q4  leak  high- 
frequency  signals  to  the  out- 
put even  when  the  dc  gain  is 
zero. 

A  controlled-cascode  design 
addresses  these  problems  by 
changing  the  location  of  the  output 
(Fig  B).  Although  the  differential 


Fig  A— A  typical  2-quadrant  multiplier 
cell  has  several  sources  of  distortion  and 
noise. 


Fig  B — The  controlled-cascode  multipli- 
er cell  minimizes  distortion  by  furnishing  a 
signal  output  at  the  collectors  of  O,  and 
Q,. 
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where  bandwidth  is  not  an  issue,  many  low-cost  op 
amps  are  sufficient.  An  AD611,  for  example,  provides 
low  distortion  and  a  full  ±  10V  output  at  frequencies  as 
high  as  200  kHz. 

Design  a  voltage-controlled  amplifier 

Fig  2  shows  a  dual-channel  amplifier  that  has  voltage- 
controllable  gain.  This  gain  is  numerically  equal  to  the 
control  voltage  Vx  in  the  range  0  to  +3.3V.  The  signal 
bandwidth  is  essentially  independent  of  gain,  as  shown 
in  Fig  3.  In  addition,  the  control-channel  bandwidth  is 
about  5  MHz  (for  a  Vx  rated  from  300  mV  to  3V),  using 
a  3-nF  HF  compensation  capacitor  (Cc).  When  rapid 
gain  control  is  not  required,  Cc  should  be  0.1  u.F;  this 
value  reduces  high-frequency  distortion  in  the  signal 
channels.  In  addition,  the  ±12V  supplies  allow  the 
circuit  to  realize  a  full-scale  output  swing  of  ±6V  with 
some  overrange.  To  avoid  control  breakthrough,  Vx 
should  not  vary  substantially  from  the  nominal  control 
range. 

Looking  at  the  performance  of  this  voltage-controlled 
amplifier  (VCA),  the  total  harmonic  distortion  for  an 
input  of  IV  rms  is  typically  below  0.05%  at  10  kHz,  for  a 
Vx  above  300  mV.  The  output  noise  for  a  Vx  of  IV  is  50 
u.V  rms  from  10  Hz  to  10  kHz  and  550  u.V  from  10  Hz  to 
5  MHz.  Furthermore,  the  signal  leakage  when  Vx  is 
deliberately  made  slightly  negative  (say,  -10  mV)  is 
-75  dB  at  5  MHz. 

If  you  need  a  higher  bandwidth,  you  can  use  a  hybrid 
op  amp — for  example,  the  ADLH0032.  Fig  4  shows  the 


high-frequency  response  with  Cf  adjusted  for  1  dB  of 
peaking;  under  these  conditions,  the  -3-dB  bandwidth 
exceeds  25  MHz.  Careful  board  layout  and  supply 
decoupling  keep  signal  leakage  below  -90  dB  at  low 
frequencies  and  below  -60  dB  at  20  MHz  when  Vx  is 
-10  mV. 

To  meet  more  stringent  design  requirements,  you 
can  employ  an  ultralow-distortion  single-channel  VCA 
(Fig  5).  In  this  design,  the  input  connects  directly  to 
channel  1  and  to  amplifier  A,.  This  amplifier  inverts  the 
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Fig  6— Less  than  0.01%  total  harmonic  distortion  is 

achievable  with  the  Fig  5  ultralow-distortion  VCA. 
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Fig  5 — An  ultralow-distortion  VCA,  whose  output  appears  at  A,'s  output,  uses  both  of  the  AD539's  multiplier  channels  to  achieve 
distortion  cancellation. 
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Selection  of  external  op  amp 
determines  circuit  bandwidth 


signal  and  drives  the  AD539's  channel  2.  Driving  the 
multiplier  in  symmetrical  fashion  minimizes  distortion. 

Note  that  this  circuit  provides  two  outputs.  The 
output  of  channel  l's  amplifier,  A2,  is  -VxVY;  it  can  be 
used  directly  and  has  the  same  characteristics  as  the 
Fig  2  VCA.  This  output  is  also  used  to  obtain  the 
low-distortion  A3  output,  which  is  equal  to  2VXVY. 

For  the  low-distortion  output,  A2's  output  connects  to 
one  of  channel  2's  scaling  resistors,  W2;  the  other 
channel  2  scaling  resistor,  Z2,  provides  the  feedback 
path  for  channel  2's  output  amplifier,  A3.  Because  these 
internal  resistors  are  matched,  A3  simply  inverts  the 
output  of  A2.  At  the  same  time,  it  performs  current-to- 
voltage  conversion  for  channel  2  of  the  multiplier  and 
adds  the  result  to  the  inverted  A2  output.  Therefore, 
the  total  output  of  A3  is  -(-VXVY)  from  channel  1  and 
A2  plus  —  (— VjtVr)  from  Ai  and  channel  2;  this  amounts 
to  2VxVY.  Amplitude  limits  on  this  low-distortion  out- 
put arise  from  the  supply  voltages  of  A2  and  A3. 

Fig  6  shows  that  the  total  harmonic  distortion  can 
remain  below  0.01%  over  a  wide  gain  range.  The 
increase  in  distortion  for  small  values  of  Vx  apparently 
stems  from  noise  in  the  measurement  system.  The 
balanced  configuration  of  this  VCA  eliminates  control 
feedthrough  when  Vx  is  outside  its  nominal  range. 

Many  variations  of  this  design  are  possible,  with 
gains  as  high  as  60  dB.  What's  more,  a  series  connection 


of  the  two  channels  creates  a  circuit  that  has  a  square- 
law  gain  response.  This  function  is  useful,  for  example, 
in  swept-gain  applications;  it  compensates  for  inverse- 
square-law  propagation-path  losses. 

Two-quadrant  multipliers  also  find  profitable  applica- 
tion in  the  construction  of  voltage-tunable  filters.  In 
such  a  design,  a  loop  consisting  of  two  integrators  and 
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Fig  8 — In  response  to  a  0  to  10V  control-voltage  Input,  the 

Fig  7  voltage-tunable  filter  exhibits  a  0-  to  100-kHz  center 
frequency.  Frequency  error  remains  less  than  0.12%. 
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Fig  7 — A  voltage-tunable  state-variable  filter  changes  center  frequency  in  proportion  to  variations  in  the  control  voltage  VF. 
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an  inverter  (used  also  as  a  summing  amplifier)  forms 
the  basic  filter.  The  filter  has  lowpass,  highpass  and 
bandpass  responses,  and  it  features  a  variable  Q  over  a 
wide  range.  Furthermore,  the  low  offset  voltage  of  the 
control  channel  ensures  accuracy  over  a  much  wider 
range  of  control  voltages  than  is  possible  using  a  typical 
4-quadrant  multiplier. 

In  the  integrators,  pairs  of  capacitors  and  resistors 
determine  the  resonant  frequency.  To  control  this  fre- 
quency, it's  customary  to  vary  the  values  of  the  resis- 
tors. Because  the  channels  of  an  AD539  behave  like 
voltage-controlled  resistances,  they  allow  you  to  create 
voltage-tunable  filters. 

A  2-pole  voltage-tunable  filter  section  (Fig  7)  pro- 
vides a  center  frequency  of  nominally  0  to  100  kHz, 
easily  scaled  to  other  ranges  by  the  choice  of  capacitors 
(which  should,  however,  always  be  equal).  Each  chan- 
nel of  the  AD539  behaves  like  a  voltage-controlled 
transresistance,  having  a  value  of 


of  the  on-chip  resistors  undergo  trimming  during  manu- 
facturing. Accurate,  temperature-stable  calibration  of 
the  frequency  requires  the  addition  of  an  external  trim 
resistor,  placed  in  series  with  the  (resistive)  control 
input.  When  the  circuit  is  thus  adjusted  to  compensate 
for  the  tolerance  of  the  thin-film  resistors,  the  resonant 
frequency  is  f=10x  VF/1V  (f  is  in  kilohertz,  VF  in  volts). 

Fig  8  shows  the  measured  center  frequency  of  the 
voltage-tunable  filter  and  the  deviation  from  the  ideal 
value.  The  deviation  is  less  than  0.12%  of  the  full  range. 
With  the  values  shown  for  Ri  and  R2,  the  nominal  Q  is 
10,  and  it  varies  by  only  a  few  percent  over  the  1-  to 
100-kHz  range.  In  general, 


Q 


Ri  +  R2 
3R2 


The  minimum  Q,  0.33,  occurs  when  the  value  of  R2 
approaches  infinity;  the  maximum  Q  is  limited  in  prac- 
tice by  dynamic-range  considerations.  Capacitor  Cc 
helps  to  maintain  loop  stability  and  is  adjusted  for 
minimum  variation  of  Q  with  Vf.  If  a  higher  bandwidth 
The  absolute  value  of  Rg  is  not  exact;  only  the  ratios    is  necessary,  high-speed  op  amps  make  feasible  a 
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Fig  9 — This  variable-Q  voltage-tunable  filter  uses  one  multiplier  to  vary  center  frequency  in  response  to  VF  and  a  second  one  to 
vary  the  O  in  response  to  changes  in  Va. 
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Distortion  for  IV  rms  input 

is  typically  below  0.05%  at  10  kHz 


full-scale  frequency  of  1  MHz. 

In  any  case,  there  are  limits  to  the  input  amplitude. 
Note  that  the  output  of  A2  is  Q  times  larger  than  V™. 
This  output  drives  the  channel  2  input  of  the  AD539, 
whose  signal  capacity  is  about  ±4V.  Consequently,  ViN 
must  be  less  than  ±4V/Q  to  avoid  clipping. 

A  more  sophisticated  voltage-tunable  filter  provides 
voltage  control  of  Q.  The  Fig  9  circuit  incorporates  two 
AD539s,  one  of  which  provides  this  function.  The 
frequency  scaling  remains  10  kHz/V  of  VF,  but  the 
damping  (d)  is  now  equal  to  the  numerical  value  of  the 
control  voltage,  Vd.  Consequently, 

d  =  Vd,  Q  =  T7-(Vd  in  volts). 
Vd 

If  you  need  to  alter  the  scaling  of  Q,  connect  a 
resistor  in  series  with  pin  1  of  IC2.  You  can  use  the 
bandpass  output  from  the  output  of  either  A2  (in  which 
case  the  gain  is  equal  to  Q)  or  A4.  This  second  connec- 
tion has  the  advantage  of  providing  a  gain  that  doesn't 
vary  with  the  value  of  Q. 

For  the  Fig  9  filter  design,  Fig  10  shows  the  ac 
output  for  Vd  values  of  100  mV,  300  mV,  IV  and  3V  (for 
Q=10,  3.3,  1  and  0.33,  respectively).  In  addition,  Fig  11 
shows  the  stability  of  Q  as  VF  varies  over  its  nominal 
range.  Here,  Q=10  and  VF=100  mV,  300  mV,  IV,  3V 
and  10V  (for  f=  1,  3,  10,  30  and  100  kHz,  respectively). 

Op-amp  offset  voltages  can  be  troublesome  for  small 
values  of  VF,  when  the  dc  behavior  tends  toward 
open-loop  conditions.  In  applications  requiring  a  wide 
range  of  frequency  control,  it's  necessary  to  trim  the 
offset  voltages  of  amplifiers  A!  through  A). 

In  addition,  compensation  capacitors  for  the  op  amps 
must  provide  a  safe  stability  margin  without  adding  too 
much  phase  to  the  integrators.  Such  very  fast  op  amps 
as  the  ADLH0032  require  more  complex  high-frequen- 
cy compensation,  but  filters  designed  for  the  audio 
range  can  use  such  inexpensive,  internally  compen- 
sated op  amps  as  the  AD611.  Nominally,  the  frequency- 
compensation  capacitor  at  pin  2  of  the  AD539  should  be 
0.1  llF. 

The  output  of  the  voltage  supplies  in  these  circuits  is 
somewhat  flexible.  Figs  7  and  9  show  9V  supplies  for 


TABLE— COMPARISON  OF  AD539-BASED  FILTER 
WITH  TYPICAL  SWITCHED-CAPACITOR  FILTER 

PARAMETER 

SWITCHED-CAPACITOR 
FILTER 

AD539  ANALOG 
FILTER 

MAXIMUM  Q  AT  20  kHZ 

10 

50 

MAXIMUM  CENTER  FREQUENCY 

30  kHz 

1  MHz 

SIGNAL  DYNAMIC  RANGE 

52  dB 

80  dB 

POWER-SUPPLY  CURRENT 

4  mA 

28  mA 

the  AD539s  and  the  AD507s.  In  these  applications, 
there  is  no  advantage  in  using  higher  voltages.  You  can, 
however,  use  15V  supplies. 

Finally,  digital  control  of  the  center  frequency  or  Q 
or  both  requires  only  the  addition  of  a  D/A  converter. 
The  AD558  is  a  good  choice  for  this  application,  having 
a  2.5V  full-scale  output.  Moreover,  it's  capable  of  using 
the  same  power  supplies. 

The  AD539-based  filter  design  stacks  up  favorably 
against  a  typical  switched-capaeitor  filter  (table).  In 
comparison,  the  state-variable  filter  shown  in  Fig  7 
exhibits  30  times  the  maximum  center  frequency,  25 
times  the  dynamic  range  and  five  times  the  maximum  Q 
at  20  kHz.  The  obvious  tradeoff  between  these  ap- 
proaches is  in  current  consumption:  The  AD539-based 
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Fig  1 0 — The  wide  variation  of  Q  apparent  in  these  superim- 
posed outputs  of  the  Fig  9  circuit  stems  from  Vd  values 
equaling  700  mV,  300  mV,  Wand  3V. 


3  kHz 


30  kHz 


Fig  1 1 — The  stability  of  Q  as  VF  varies  is  illustrated  by  the 
uniform  shapes  of  the  Fig  9  circuit's  ac  response. 
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Distortion  cancellation  gives 
0.01%  total  harmonic  distortion 


filter  consumes  seven  times  the  current.  Nevertheless, 
the  simplicity,  accuracy  and  high  bandwidth  of  the 
circuits  using  the  AD539  can  outweigh  this  disadvan- 
tage in  most  applications. 
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Using  theAD834 
in  DC  to  500  MHz  Applications: 
RMS-to-DC  Conversion,  Voltage-Controlled 
Amplifiers,  and  Video  Switches 

by  Mark  Elbert  and  Barrie  Gilbert 


INTRODUCTION 

The  AD834  is  the  fastest  four  quadrant  multiplier  avail- 
able, having  a  useful  bandwidth  of  800  MHz,  compared 
to  the  60  MHz  bandwidth  of  the  AD539  two-quadrant 
multiplier,  the  10  MHz  bandwidth  of  the  AD734  four- 
quadrant  multiplier,  or  the  1  MHz  bandwidth  of  the 
industry-standard  AD534  four-quadrant  multiplier.  Its 
monolithic  construction  and  high  speed  makes  the 
AD834  a  candidate  for  such  HF  applications  as  balanced 
modulation-demodulation,  power  measurement,  gain 
control,  and  video  switching,  at  frequencies  that  were 
previously  beyond  the  scope  of  analog  multipliers. 

The  AD834  does  not  sacrifice  accuracy  to  achieve  its 
speed.  In  common  with  all  of  the  Analog  Devices  multi- 
pliers, laser  trimming  is  used  during  manufacture  to  null 
input  and  output  offsets  and  to  establish  precise  scaling. 
In  typical  applications  the  total  static  error  can  be  held  to 
less  than  ±0.5%. 

It  is  available  in  8-pin  plastic  DIP,  SOIC,  and  ceramic 
packages  for  the  commercial,  industrial,  and  military 
temperature  ranges  and  operates  from  ±5V  supplies. 

The  main  challenge  in  using  the  AD834  arises  from  its 
current-mode  output  stage.  In  order  to  maintain  the 
highest  possible  bandwidth,  the  AD834's  outputs  are  in 
the  form  of  a  pair  of  differential  currents  from  open 
collectors.  This  is  an  inconvenience  when  a  more  con- 
ventional ground-referenced  voltage  output  is  needed. 
Thus,  this  application  note  discusses  methods  for  the 
accurate  conversion  of  these  currents  to  a  single-sided 
ground-referenced  voltage. 

These  applications  include  a  wideband  mean-square  de- 
tector, an  rms-to-dc  converter,  two  wideband  voltage- 
controlled  amplifiers,  a  high-speed  video  switch,  and 
transformer-coupled  output  circuits.  These  applications 
provide  the  user  with  a  complete  and  proven  solution,  in 
many  cases  including  recommended  sources  for  critical 
components. 


'IEW  OF 


OVERVIEW  OF  THE  AD834 

The  AD834,  shown  in  block  schematic  form  in  Figure  1, 
is  the  outcome  of  Analog  Devices'  continuing  dedication 
to  high-accuracy  analog  signal  processing.  In  particular, 


in  m  lxl 


Figure  7.  AD834  Block  Diagram 

it  incorporates  the  experience  gained  in  twenty  years  of 
manufacturing  analog  multipliers.  The  part  is  con- 
structed on  a  3  GHz  epitaxial  bipolar  transistor  process 
using  laser-trimmed  thin-film  resistors.  Attention  to 
many  subtle  details  has  resulted  in  unusually  low  distor- 
tion and  noise.  Figure  2  shows  a  more  detailed,  but  still 
simplified,  circuit  schematic. 

The  X-  and  Y-inputs  are  applied  to  high-speed  voltage- 
to-current  (V/l)  converters,  having  a  transresistance  of 
285  fl  and  a  small-signal  input  resistance  of  about  25  kn. 
The  full-scale  input  voltage  is  ±1  V  for  both  inputs.  The 
input  bias  currents  are  typically  45  (j.A.  Therefore,  the  dc 
resistance  seen  by  both  inputs  of  a  differential  pair  must 
be  equal  to  minimize  offset  voltages,  just  as  for  an  op 
amp.  Resistors  at  the  inputs  also  minimize  the  risk  of 
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is  customarily  controlled  by  adjustment  of  the  bias  cur- 
rents in  the  V/l  converter  used  on  the  X-input,  which  also 
determines  the  currents  in  the  diode-connected  transis- 
tors, Q1  and  Q2. 

In  classical  voltage-output  multipliers,  the  range  of  ad- 
justment needed  to  absorb  the  inevitable  resistor  mis- 
matches is  small,  and  this  method  of  trimming  the 
scaling  factor  is  acceptable.  In  the  AD834,  however,  the 
transfer  function  involves  the  two  input  voltages  Vx  and 
VY,  the  scaling  voltage  (generated  in  the  band-gap  refer- 
ence circuit,  and  trimmed  to  an  accurate  value  which  is 
assumed  here  to  be  1  V)  and  the  output  current,  lw: 


Schematic 


high  frequency  oscillations.  The  V/l  converters  have  a 
common-mode  range  of  ±1.2  V,  using  the  recom- 
mended supply  voltages.  Within  that  range,  the  differen- 
tial inputs  exhibit  a  common-mode  rejection  of  70  dB, 
conservatively  specified  for  f  <  100  kHz.  Even-order  dis- 
tortion in  the  V/l  converters  is  inherently  low,  while  dis- 
tortion cancellation  circuitry  is  included  to  reduce  odd 
order  nonlinearity  to  typically  ±0.05%. 

The  multiplier  core  is  a  well-known  translinear  circuit. 
The  translinear  principle  [Ref.  1  ]  exploits  the  precise  log- 
arithmic relationship  between  the  base-emitter  voltage 
(VBE)  and  collector  current  (lc)  of  a  bipolar  transistor.  The 
input  and  output  signals  of  translinear  circuits  are  al- 
ways in  current  form.  Voltage  swings  at  the  internal 
nodes  are  very  small,  so  that  parasitic  junction  capaci- 
tances do  not  have  to  be  charged  and  discharged,  a 
common  cause  for  bandwidth  reduction  and  slew-rate 
limiting.  Thus,  translinear  multiplier  cells  are  inherently 
fast;  they  are  also  readily  implemented  in  monolithic 
form.  However,  they  can  introduce  distortion  if  not  care- 
fully designed. 

This  distortion  is  due  primarily  to  emitter  area  mis- 
matches and  ohmic  resistances  in  the  core  transistors 
(Ref.  2).  Using  the  traditional  convention  in  naming  the 
channels,  as  shown  in  Figure  2,  the  X  channel  is  suscep- 
tible to  these  effects,  while  the  Y  signal-path  is  essen- 
tially linear  (the  four  output  devices,  Q3  through  Q6, 
behaving  in  many  respects  like  common-base  stages,  or 
cascodes).  Therefore,  the  signal  requiring  the  lowest 
possible  distortion  should  always  be  handled  by  the  Y 
channel.  For  example,  in  a  balanced  modulator  applica- 
tion, the  carrier  (local  oscillator  voltage)  should  be  ap- 
plied to  the  X  input  and  the  baseband  signal  to  the  Y 
input. 

The  output  from  the  core  is  in  the  form  of  a  pair  of 
differential  currents.  Now,  the  scaling  of  these  currents 


ly, 


(1) 


Y2 


VxVy  .  I 
W  R 

In  this  expression,  the  value  of  a  resistance,  R,  deter- 
mines the  calibration  of  the  output  current.  As  fabri- 
cated, thin-film  resistors  have  an  initial  uncertainty 
which  can  be  as  large  as  ±20%,  and  the  customary 
methods  of  trimming  the  scale  factor  would  result  in 
other  compromises  (for  example,  erosion  of  the  avail- 
able signal  range  in  the  X-input  V/l  converter). 

Therefore,  the  AD834  uses  a  "Gilbert  gain-cell"  [Refer- 
ence 3]  after  the  core  to  provide  the  needed  adjustment 
of  the  effective  value  of  R,  which,  in  fact,  is  achieved  by 
varying  the  current  gain  of  this  cell  through  trimming 
the  current  lG.  R,  after  the  lG  trim,  has  an  effective  value 
of  250  fl,  resulting  in  a  full-scale  output  current  of 
±4  mA  when  both  inputs  are  at  their  full-scale  value  of 
±1  V.  The  typical  current-gain  is  1.6,  and  because  this 
type  of  amplifier  is  very  fast  and  buffers  the  core  out- 
puts, the  overall  bandwidth  of  the  multiplier  is  actually 
enhanced  over  that  which  would  be  obtained  using  the 
core  outputs  directly. 

The  bias  currents  from  the  core,  and  the  gain-setting 
current  lG,  result  in  a  fairly  large  standing  current  — typi- 
cally 8.5  mA  — which  flows  into  the  outputs  W1  and  W2 
(Pins  4  and  5).  Only  the  differential  output  is  precisely 
specified  to  be  ±4  mA. 

The  output  currents  can  be  converted  back  to  voltages  in 
a  variety  of  ways.  In  the  simplest  case,  load  resistors 
connected  to  the  positive  supply  might  be  used,  but 
these  do  not  convert  the  (two)  differential  outputs  to  a 
single-sided  voltage. 

For  the  AD834  to  operate  properly,  the  output  Pins  (4 
and  5)  must  be  pulled  above  V+  to  avoid  saturation  of 
Q7-Q10.  To  avoid  using  a  separate  supply  to  do  this, 
several  of  the  circuits  included  here  use  a  voltage- 
dropping  resistor  in  series  with  the  positive  supply  Pin 
(6)  of  the  AD834;  this  is  a  higher  value  than  necessary 
for  decoupling  purposes. 

This  dropping  resistor  lowers  the  voltage  at  Pin  6  to 
provide  an  extra  margin  of  bias  for  the  output  transis- 
tors. For  example,  in  the  mean-square  circuit  in  Figure  3, 
11  mA  of  quiescent  current  across  the  169  fl  dropping 
resistor  creates  1.86  V  of  headroom.  The  decoupling  re- 
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figure  3.  A  DC  to  500  MHz  Mean  Square  Circuit 


sistor  in  series  with  the  negative  supply  to  Pin  3  is  only 
10  fi,  since  it  is  included  just  to  decouple  the  supplies. 

Much  of  this  application  note,  however,  is  concerned 
with  more  effective  ways  of  loading  the  outputs.  For 
example,  because  they  are  fully  calibrated,  the  outputs 
of  two  or  more  AD834's  can  be  accurately  summed  by 
simply  connecting  them  in  parallel,  as  is  done  in  the  rms 
application  discussed  later  in  this  application  note. 

MEAN-SQUARED  DETECTOR 

We  will  begin  with  a  discussion  of  a  mean  square  detec- 
tor (Figure  3),  whose  output  is  a  dc  voltage  proportional 
to  the  input  power.  This  circuit  is  useful  in  that  it  re- 
quires only  a  calibrated  signal  generator  and  a  dc  volt- 
meter to  demonstrate  the  very  high  speed  of  the  AD834. 

The  input  signal  is  applied  to  the  X-  and  Y-inputs  con- 
nected in  parallel.  The  instantaneous  output  current  is 
thus  proportional  to  the  square  of  the  input  voltage.  The 
square  of  a  sinusoidal  input  voltage  of  amplitude  A  is  an 
offset  cosine  at  twice  the  frequency: 


A  {sinutr  =  A2  (1  -cos  2  cot)/2 


(2) 


If  the  input  to  the  AD834  has  this  sinusoidal  form,  then 
the  instantaneous  output  current  (using  Equation  1)  is 
simply 

- 

Iw  =  2A2  11  -  cos2wtl  mA  (3) 

the  average  value  of  which  is  just  2  mA  for  the  maxi- 
mum 1  V  amplitude  sinusoid. 

The  full-scale  differential  voltage  which  would  be 
measured  across  Pins  4  and  5  of  the  AD834  is,  there- 
fore, 2  mA  x  (50  fi  +  50  fi),  or  200  mV.  This  average 
is  extracted  by  the  low-pass  filter  formed  by  the 
4.7  ixF  0.022  (iF  (AVX  part  #SR505E475MMAA  and 
#SR505a223JAA)  capacitors  in  conjunction  with  the 
50  fi  collector  load  resistors,  having  a  -3  dB  frequency 
of  about  650  Hz. 

Two  capacitors  are  used  in  parallel  since  the  4.7  |a.F  ca- 
pacitor uses  the  compact  but  lossy  Z5U  dielectric  mate- 
rial while  the  22  (iF  capacitor  uses  a  high  Q  NPO 


dielectric  which  ensures  good  filtering  at  the  highest 
frequencies.  Note  that  the  4.7  jxF  capacitors  have  a 
-20%  to  +80%  tolerance,  so  their  -3  dB  frequency  is 
not  accurate,  nor  does  it  usually  need  to  be.  Further 
filtering  is  performed  by  the  capacitors  in  shunt  with  the 
feedback  resistors  of  the  AD711  operational  amplifier, 
configured  to  have  a  -3  dB  frequency  of  65  Hz. 

Due  to  finite  averaging  of  the  circuit,  there  will  be  some 
ripple  for  low  frequency  inputs.  For  the  circuit  shown,  a 
1  kHz  input  will  produce  the  mean-square  plus  a 
-42  dB  2  kHz  ripple;  for  100  kHz  input,  the  ripple  will  be 
only  -80  dB.  Since  the  output  is  band  limited,  we  can 
use  a  generic  low  speed  op  amp  with  ample  common- 
mode  range,  obviating  the  need  for  level  shifting.  The 
differential  gain  of  the  amplifier  can  be  chosen  to  pro- 
vide a  convenient  scale  factor. 

The  full-scale  gain  of  the  circuit  in  Figure  3  is  calculated 
as  follows.  The  average  output  current  is  ±2  mA  for  1  V 
(peak)  sinusoidal  input,  which  creates  ±100  mV  across 
each  50  !!  output  load  resistor  or  200  mV  differential. 
The  amplifier  is  configured  for  a  differential  gain  of  2.5 
(feedback  resistance  over  source  resistance),  yielding  a 
circuit  gain  of  0.5  V  dc  output  for  1  V  rms  input. 

The  bandwidth  of  this  circuit  is  limited  by  package  ca- 
pacitance and  inductance.  In  the  8-pin  cerdip,  the  multi- 
plier's response  normally  starts  to  rise  at  500  MHz  due  to 
package  resonance  and  peaks  at  800  MHz  before  rolling 
off.  A  24.9  fi  resistor  at  the  input  dampens  the  reso- 
nance yielding  an  essentially  flat  response  out  to 
800  MHz.  (The  package  inductance  will  be  different  for  a 
surface  mount  AD834.)  Figure  4  shows  the  results  over 
frequency  for  three  different  power  levels  using  the  test 
configuration  shown  in  Figure  5. 

Neglecting  the  24.9  !!  in  series  with  the  high  impedance 
inputs,  the  input  resistance  to  the  mean  square  circuit  in 
Figure  3  is  50  fi.  Since  the  full-scale  input  range  is  ±1  V, 
the  maximum  measurable  power  with  a  50  fi  input  load 
is  10  mW  (20  dBm),  assuming  a  sinusoidal  input. 
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Figure  4.  Frequency  Response  of  Mean  Square  Circuit 
for  input  Power  Levels  of  -5  dBm,  0  dBm,  and  +5  dBm 

For  greater  input  ranges,  a  voltage  divider  with  a  series 
resistance  of  50  fi  at  the  input  will  scale  down  the  volt- 
age seen  by  the  AD834  while  maintaining  a  proper  ter- 
mination resistance.  For  example,  if  the  input  signal  is 
applied  to  a  45  fi  resistor  in  series  with  a  5  fl  resistor  to 
ground,  then  taking  the  AD834's  input  from  the  middle 
node  of  the  voltage  divider  provides  20  dB  attenuation 
of  the  input  signal,  while  maintaining  a  termination  re- 
sistance of  50  n  (45  n  +  5  fi). 

Detection  of  low  power  signals  is  limited  by  dc  offsets 
and  the  common-mode  rejection  of  the  op  amp.  For 
example,  a  -20  dBm  signal,  corresponding  to  22.4  mV 
rms  across  50  fl,  would  result  in  a  4.5%  error  in  the 
presence  of  only  1  mV  of  offset  in  the  op  amp.  A  10% 
error  can  occur  if  the  AD834's  X  channel  offset  is  just 
2mV. 
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Figure  5.  Test  Configuration 
RMS-TO-DC  CONVERTER 

The  root  mean  square  (rms)  circuit  (Figure  6)  is  little 
more  than  the  mean  square  detector  circuit  described 
above  followed  by  a  square  root  circuit.  The  frequency 
response  is  determined  by  the  front  end  squarer  and 
output  filter.  From  the  mean-square  discussion,  the 
squarer  functions  well  past  500  MHz,  while  the  lower 
-3  dB  frequency  response  is  340  Hz  (100  fi  and  4.7  y.F). 
Note  that  a  resistor  divider  network  at  the  input  deter- 
mines the  full-scale  input  voltage  to  be  ±2  V  peak. 

The  square  root  function  is  performed  by  a  squaring 
AD834  in  the  feedback  loop  of  an  AD711  operational 
amplifier.  The  2N3904  transistor  functions  as  a  buffer. 
The  resistive  divider  network  (two  100  fi)  between  the 
buffered  output  and  the  X  and  Y  channel  inputs  of  the 
AD834  used  in  the  square  root  section  determines  the 
output  scaling  to  be  ±2  V  full  scale. 

The  outputs  of  the  two  AD834s  are  current-differenced. 
Accurate  output  differencing  and  summing  is  possible 
owing  to  the  precision  of  the  laser  trimmed  AD834  out- 
put signal  current  scaling.  The  AD711  forces  the  differ- 
ence between  the  two  AD834  signal  current  to  zero.  Any 
error  in  the  nulling  generates  a  voltage  across  the  two 
100  fi  pull-up  resistors. 

After  additional  filtering  and  level  shifting  by  the  15  kfi, 
85  kfi,  and  0.1  (iF  network,  the  residual  error  is  amplified 
by  the  full  AD711  open  loop  gain.  The  amplified  error 
signal  forces  the  AD834  in  the  feedback  loop  to  match  its 
output  to  the  mean-squaring  AD834's  output.  The  error 
is  nulled  when  the  rms  circuit's  output  is  equal  to  the 
square-root  of  the  circuit's  input  mean-squared,  hence 
the  rms  function. 

The  accuracy  of  the  circuit  at  small  signal  levels  is  lim- 
ited by  inevitable  offset  voltages.  While  a  nominal  0  V 
input  with  a  1  mV  error  to  a  mean-square  function  gen- 
erates a  1  (iV  output  error,  the  same  input  error  gener- 
ates a  31.6  mV  output  error  through  a  square  root 
circuit. 
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Figure  6.  DC  to  500  MHz  RMS-to-DC  Converter 


DC  COUPLED  VCA  APPLICATIONS 

Where  the  dc  response  of  the  AD834  cannot  be  dis- 
carded, some  form  of  level  shifting,  either  passive  or 
active  must  be  employed,  since  high  speed  op  amps 
often  have  inadequate  common-mode  range.  The  fol- 
lowing applications  show  the  use  of  active  and  passive 
level  shifting  circuits  in  the  implementation  of  wideband 
voltage-controlled  amplifiers. 


A  DC  TO  60  MHz  VOLTAGE-CONTROLLED  AMPLIFIER 
USING  PASSIVE  LEVEL  SHIFTING 

Figure  7  shows  the  schematic  of  a  circuit  employing  a 
passive  network  as  a  level  shifter.  The  op  amp  chosen 
here  is  the  AD5539. 

The  AD5539  is  built  on  the  same  process  as  the  AD834 
and  provides  a  2  GHz  gain-bandwidth  product  at  high 
closed-loop  gain.  Unlike  most  op  amps,  the  AD5539 
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Figure  7.  DC  to  60  MHz  Voltage-Controlled  Amplifier  Using  Passive  Level  Shifting 
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/  COMPENSATION 


Figure  8.  AD5539  Operational  Amplifier  Simplified 
Schematic 

features  a  ground  pin  and  an  all-NPN  output  stage  which 
operates  in  "Class  A"  to  achieve  the  part's  high  speed 
(see  Figure  8).  Closer  examination  shows  that  there  is  a 
limited  amount  of  "headroom"  between  the  output 
node  and  the  inputs,  and  between  these  voltages  and 
ground.  This,  its  high  speed,  and  other  unusual  at- 
tributes of  the  AD5539  require  special  care  in  its  use. 

First,  consider  the  consequences  of  its  Class  A  output 
stage.  In  most  op  amps,  the  output  can  both  "pull  up" 
and  "pull  down"  on  the  load,  but  the  NPN  emitter- 
follower  output  stage  can  only  pull  up.  The  AD5539  has 
an  internal  pull-down  resistor  (R11)  of  2  kft,  which  can 
only  supply  two  or  three  milliamps.  A  general-purpose 
high-speed  multiplier  must  be  able  to  swing  to  at  least 
±1  V  while  driving  the  minimum  likely  load  resistance  of 
50  n.  At  this  output  level,  the  load  current  will  be 
±20  mA,  which  must  therefore  be  supplied  by  an  exter- 
nal pull-down  resistor.  In  fact,  the  pull-down  current 
must  be  considerably  more  than  this,  and  requires  care- 
ful consideration. 

Figure  9  shows  how  the  calculation  is  done.  The  425  mV 
voltage  sources  are  just  "lBRc,"  that  is,  the  standing 
current  of  8.5  mA  at  the  AD834  multiplied  by  the  load 
resistor  Rc,  which  we  have  here  set  to  50  ft.  The  200  mV 
sources  in  Figure  9  (a)  are  the  "lwRc"  generators  when 
the  full-scale  output  current  is  +4  mA.  From  here,  we 
calculate  V1  -  5.375  V  and  V2  -  5.775  V. 


25mA 

SOil   »■  12511 

-VvV 


5.375V  4.125V 

Vii 

5.775V 
425mV     -200mV  ♦ 

e/^"N      V2      5011  «2 
 Wv  


voltage,  so  we  can  now  calculate  the  current  in  the 
upper  50  ft  resistor  as  (5.375-4. 1 25)/50  mA  or  25  mA. 
Again,  there  is  essentially  no  current  at  the  input  of  the 
op  amp,  so  the  25  mA  all  flows  in  the  feedback  resistor 
of  125  ft  ,  resulting  in  a  voltage  drop  across  it  of  3.125  V. 
Finally,  we  calculate  the  output  as  the  voltage  at  W1 
(4.125  V)  minus  this  drop;  that  is,  the  output  is  at  +1  V. 

Notice  a  somewhat  surprising  result  at  this  point:  al- 
though a  current  of  20  mA  flows  into  the  load,  a  larger 
current,  25  mA,  flows  in  the  feedback  resistor!  This  un- 
usual state  of  affairs  is  due  to  the  very  low  value  of  the 
feedback  resistor  needed  to  reduce  the  scaling  factor  to 
the  desired  value,  and  the  relatively  large  voltage 
needed  at  the  output  of  the  AD834  to  ensure  proper 
biasing  of  its  outputs  W1  and  W2.  Thus,  even  though  the 
load  needs  to  be  sourced  20  mA,  we  still  need  to  provide 
at  least  5  mA  in  the  pull-down  resistor  RP  to  bias  the 
output  emitter-follower  in  the  AD5539.  The  situation 
gets  more  severe  when  the  output  current  of  the  AD834 
is  reversed,  because  we  now  need  to  sink  20  mA  in  the 
50  ft  load  and  the  voltage  across  the  feedback  resistor  is 
now  even  higher. 

This  situation  is  shown  in  Figure  9(b).  The  calculation  is 
exactly  as  before,  and  we  discover  that  the  current  in  the 
feedback  resistor  is  now  39.7  mA.  So  RP  needs  to  pro- 
vide the  load  current  of  20  mA  and  an  additional  40  mA 
or  so  in  the  feedback  path,  while  the  voltage  across  it  is 
5  V.  This  would  require  RP  =  83  ft.  In  practice,  it  should 
be  slightly  lower  to  prevent  slew  rate  limiting  the  fall 
time.  Also,  the  feedback  resistor  will  be  raised  from 
125ft  to  133ft  to  make  up  for  the  finite  gain  of  the 
AD5539  under  these  heavily-loaded  conditions.  If  we 
take  the  parallel  sum  of  the  50  ft  load,  the  70  ft  pull- 
down and  about  150  ft  effective  feedback  resistance,  the 
actual  load  on  the  amplifier  is  only  24  ft! 

The  AD5539  is  stable  for  uncompensated  gains  of 
greater  than  5,  and  the  AD5539  in  this  circuit  is  operating 
at  a  gain  of  just  over  3.  The  0.01  ixF  and  10  ft  network 
compensates  by  throwing  away  enough  open  loop  gain 
to  be  stable  when  driving  a  50  ft  load.  For  higher  imped- 
ance loads,  the  10  ft  compensation  resistor  may  need  to 
be  reduced. 


Figure  9.  Equivalent  Circuits  for  Calculating  the  Value  of  the  Pull-Down  Resistor 
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A  level-shifting  network  is  included  between  the  nodes 
W1  and  W2,  whose  average  voltage  is  about  +4  V,  to  the 
input  of  the  AD5539  which  must  be  close  to  ground. 
With  the  values  shown,  the  op  amp  inputs  are  set 
slightly  below  ground  (about  -460  mV).  This  network 
halves  the  low  frequency  open-loop  gain,  which  has 
some  effect  on  the  dc  accuracy  in  the  presence  of  offset 
voltages  at  the  input  to  the  AD5539.  If  output  offset  is 
important,  a  500  f!  potentiometer  should  be  inserted  in 
series  with  the  3.74  kfi  resistors  and  its  slider  taken  to 
-6  V.  It  is  then  adjusted  for  zero  output  with  both  X  and 
Y  inputs  set  to  zero. 

Note  also  that  the  "inner"  Pins  X1  and  Y2  on  the  AD834 
are  grounded  to  minimize  HF  feedthrough;  the  resulting 
phase-reversal  at  the  X  input  is  corrected  by  swapping 
W1  and  W2. 

Figure  10  shows  the  pulse  response  with  the  input  pulse 
applied  to  the  X  input  and  the  Y  input  set  to  +1  V, 
indicating  a  rise  time  of  6  ns. 


Figure  10.  Pulse  Response  of  the  DC  to  60  MHz  Voltage- 
Controlled  Amplifier 

Figure  11  shows  a  set  of  frequency  responses  taken  on 
an  HP8753B  network  analyzer  for  Y  inputs  of  +1  V, 
316  mV,  +100  mV,  and  0  V.  In  the  case  of  0  V,  the  Y  input 
is  adjusted  to  null  the  input  offsets.  Note  that  the  high 
frequency  feedthrough  is  less  than  -65  dB  of  full  scale 
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Figure  1 1.  Frequency  Response  of  the  DC  to  60  MHz 
Voltage-Controlled  Amplifier 


A  DC  TO  480  MHz  VOLTAGE-CONTROLLED  AMPLIFIER 
USING  ACTIVE  LEVEL  SHIFTING 

Figure  12  (a)  shows  an  active  level  shifter,  using  a  PNP 
transistor  as  a  common  base  stage  or  cascode.  Here,  the 
AD834  is  modeled  by  three  ideal  current  sources,  two  for 
the  8.5  mA  bias  currents  and  one  for  the  ±4  mA  differ- 
ential signal  current.  The  transistors'  bases  are  tied  to 
+5  V,  setting  the  emitter  potential  stays  at  5.7  V  result- 
ing in  a  voltage  of  3.3  V  across  the  resistors  R1  and  R2  in 
the  absence  of  signal.  Figure  12  (b)  shows  an  equivalent 
circuit. 
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Figure  72.  An  AD834  Output  Stage  Using  Active  Level 
Shifting 

The  equivalent  dc  bias  current  of  7.17  mA  is  found  by 
solving  for  the  current  flowing  into  the  emitter  when  the 
signal  current  generator  is  zero.  In  the  ac  domain,  the 
signal  current  generator  sees  R1  and  R2  both  tied  to  low 
impedance  nodes.  By  inspection,  the  original  signal  cur- 
rent has  been  scaled  by: 


2.6mA  =  ±4mA  x 


R1 


(4) 


R1  +  R2 

Since  AD834's  outputs  have  very  high  output  imped- 
ances, the  equivalent  series  resistance  can  be  ignored. 
The  entire  7.17  mA  flowing  into  the  cascode's  emitter 
flows  out  the  cascode's  collector,  assuming  a  good  a, 
and  across  R3.  The  voltage  across  R3  is: 


4.65  V  =  7.17  mA  x  649  fl 


(5) 


The  operational  amplifier's  inputs  are  350  mV  below 
ground  and  are  within  the  common-mode  range  of  a 
wideband  amplifier. 

The  bandwidth  of  a  transistor  configured  as  a  cascode  is 
the  unity  gain  frequency  (fT)  of  the  transistor,  provided 
that  the  user  does  not  create  any  spurious  poles.  Choos- 
ing an  R1  and  R2  such  that  their  parallel  sum  is  too  large 
for  the  transistor's  parasitic  emitter-base  capacitance  or 
an  R3  too  large  for  the  transistor's  parasitic  collector- 
base  capacitance  will  create  unwanted  poles  that  lower 
the  frequency  response  of  the  circuit. 
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Figure  13.  A  DC  to  480  MHz 
Using  Active  Level  Shifting 


Voltage-Controlled  Amplifier 


Another  potential  pitfall  when  using  the  active  PNP  level 
shifter  is  oscillations  at  the  cascode's  emitter.  The  input 
impedance  of  a  bipolar  junction  transistor's  emitter  is 
inductive  at  frequencies  approaching  its  gain-bandwidth 
product  (fT),  while  the  AD834's  output  is  capacitive.  Due 
to  the  high  bandwidth  of  the  system,  these  impedances 
can  lead  to  oscillation. 

To  prevent  such  oscillations,  the  emitter  in  Figure  12  has 
been  isolated  from  the  AD834's  output  by  R2.  This  pre- 
vents oscillations  while  providing  signal  attenuation 
(gain  control)  as  related  in  Equation  4.  The  2N3906S 
provide  wideband  level  shifting  without  resonance  or 
oscillation.  Care  must  be  taken  when  using  alternative 
transistors. 

The  signal  current  at  the  cascodes'  collectors  is  now  fed 
to  a  wideband  amplifier  in  a  differential  current  to  volt- 
age converter  configuration  as  shown  in  Figure  13.  This 
configuration  is  similar  to  an  op  amp  driven  current-to- 
voltage  converter  which  typically  follows  a  current  out- 
put multiplying  digital-to-analog  converter. 

The  AD9617  makes  an  excellent  choice  to  drive  the  cur- 
rent to  voltage  converter.  The  AD9617  is  a  second- 
generation  transimpedance  amplifier  (also  known  as  a 
current  feedback  or  TZ  amplifier)  with  a  fully  comple- 
mentary output  stage  (unlike  the  AD5539),  and  opti- 
mized for  use  with  a  400  ft  feedback  resistor. 

The  AD9617  inputs  are  tied  directly  to  the  collectors  of 
the  cascodes.  The  op  amp  creates  a  virtual  short  be- 
tween the  input  nodes,  forcing  all  the  signal  current  to 
flow  in  the  feedback  paths.  The  differential  transresis- 
tance  of  the  convenor  is  400  ft.  The  desired  scaling  can 
be  attained  by  means  of  the  R1  and  R2  attenuation  net- 
work described  above.  The  full-scale  gain  of  the  circuit 
(X  =  Y  =  1  V)  at  the  AD9617's  output  is  calculated  as: 


or  1.04  V  after  the  reverse  termination  resistor.  The  ac- 
tual circuit  shows  a  full-scale  gain  closer  to  unity. 

Figure  14  shows  the  full-scale  step  response  (-1  V  to 
+  1  V)  applied  to  the  X  input  and  the  Y  input  set  to  +1  V 
demonstrating  the  circuit's  capabilities  with  a  rise  time 
of  under  2  ns  while  exhibiting  some  overshoot,  but  no 
ringing.  Note  that  the  output  slews  at  over  500  V/jis. 


Figure  14.  Step  Response  of  the  Wideband  VCA 

Figure  15  shows  a  set  of  frequency  responses  taken  on 
the  HP8753B  network  analyzer  for  Y  inputs  of  +1  V, 
316  mV,  +100  mV,  and  0  V.  The  Y  input  is  actually  ad- 
justed to  null  the  input  offsets.  Note  that  the  circuit  has  a 
small-signal  bandwidth  of  500  MHz  (at  an  input  power 
level  of  0  dBm).  This  bandwidth  is  possible  with  the  two 
1  pF  capacitors  at  the  inverting  node.  The  high  fre- 
quency feedthrough  is  less  than  -80  dB  of  full-scale 
(f  <  2  MHz). 


2  x  2.6  mA  x  400  ft  =  2.08  V 


(6) 
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Figure  15.  Frequency  Response  of  the  Wideband  VCA 
THE  AD834  AS  A  VIDEO  SWITCH 

With  0  V  or  + 1  V  applied  to  the  X  channel  as  gate  control 
and  the  video  signal  to  the  Y  channel,  the  AD834  be- 
comes a  high-speed  video  switch.  Figure  16  illustrates 
this  idea  with  a  high  speed  current  switching  circuit 
centered  around  an  ECL  switch.  The  current  flows 
through  either  Q1  or  Q2,  depending  on  the  input  volt- 
age. Current  switching  ensures  fast  and  clean  switching 
to  determined  levels  (  +  1  V  and  ground),  and  allows  the 
user  to  over-  or  under-drive  the  gate  input. 
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Figure  16.  The  AD834  as  a  High-Speed  Video  Switch 

The  AD834  switches  on  as  the  gate  input  rises  from  + 1  V 
through  +2  V  at  the  gate  circuit  input.  Below  1  V,  Q1 
absorbs  almost  all  of  the  current  from  the  216  fi  resistor; 
the  2N3906  transistor  is  turned  off.  In  this  state,  the 
100  ft  resistor  from  the  X2  input  to  ground  accurately 
shuts  the  Y  channel  off,  with  Y  channel  feedthrough  to 
the  output  measured  at  -50  dB.  With  the  base  of  Q2 
held  at  1.6  V,  the  transistor's  emitter  potential  is  2.35  V. 
A  steady  10.2  mA  (minus  base  current)  from  the  261  ft 
resistor  generates  +1  V  across  the  100  ft  resistor  at  the 
X2  input  independent  of  the  exact  high  level  of  the  gate 
input. 


Figure  17  shows  a  scope  photograph  of  a  1.5  ns  rise- 
time  pulse  gating  a  200  MHz  signal.  The  resulting  enve- 
lope rise  time  is  2.7  ns;  it  has  a  fall  time  of  3.0  ns. 
Although  the  switched  signal  may  be  much  slower,  the 
output  stage  from  the  AD834  should  have  a  bandwidth 
greater  than  100  MHz  in  order  to  maintain  an  envelope 
rise  time  of  3.5  ns. 


Figure  17.  Rise  Time  of  the  Video  Switch 

AC  OUTPUT-COUPLING  METHODS 

In  many  applications,  the  dc  component  at  the  output 
can  be  discarded.  In  such  cases,  a  wideband  buffer  can 
easily  ac  couple  to  the  AD834  output.  The  circuits  below 
show  the  use  of  simple  transformers  and  baluns  for 
passive,  ac  coupled  output  circuits. 

TRANSFORMER-COUPLED  OUTPUT 

Figure  18  shows  the  use  of  a  center-tapped  output  trans- 
former, which  provides  the  necessary  dc  load  condition 
at  the  outputs  W1  and  W2,  and  is  designed  to  match  into 
the  desired  load  impedance  by  appropriate  choice  of 
turns  ratio.  The  specific  choice  of  the  transformer  design 
will  depend  entirely  on  the  application.  Transformers 
may  also  be  used  at  the  inputs.  Center-tapped  trans- 
formers can  reduce  high  frequency  distortion  and  lower 
HF  feedthrough  by  driving  the  inputs  with  balanced  sig- 
nals. Suitable  center-tapped  transformers  include  the 
Coilcraft  WB2010PC,  which  the  manufacturer  specifies 
for  0.04  MHz  to  250  MHz  operation. 


<  *5V 


<  -5V 

Figure  18.  The  AD834  with  Transformer-Coupled  Output 
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BALUN-COUPLED  OUTPUT 

Figure  19  shows  a  circuit  which  uses  blocking  capacitors 
to  eliminate  the  dc  offset,  and  a  balun,  a  particularly 
effective  type  of  transformer,  to  convert  the  differential 
(or  balanced)  signal  to  a  single-sided  (or  unbalanced) 
output.  A  balun  consists  of  a  short  length  of  transmis- 
sion line  wound  on  to  a  toroidal  ferrite  core,  which  con- 
verts the  'bal'anced  output  to  an  'un'-balanced  one 
(hence  the  use  of  the  term). 


X2    XI   .Vfe  W1 

)  AD834 

Y1     Y2  -VS  W2 

LjJ  M  UJ 


Y  INPUT 

±1VFS 


OPTIONAL 

TERMINATION 

RESISTOR 


1HF 
CERAMIC 


Figure  79.  The  AD834  with  Balun-Coupled  Output 

Although  the  symbol  used  is  identical  to  that  for  a  trans- 
former, the  mode  of  operation  is  quite  different.  In  the 
first  place,  the  load  should  now  be  equal  to  the  charac- 
teristic impedance  of  the  line,  although  this  will  usually 
not  be  critical  for  short  line  lengths.  The  collector  load 
resistors  Rc  may  also  be  chosen  to  reverse-terminate  the 
line,  but  again  this  will  only  be  necessary  when  an  elec- 
trically long  line  is  used.  In  most  cases,  Rc  will  be  made 
as  large  as  the  dc  conditions  allow,  to  minimize  power 
loss  to  the  load.  The  line  may  be  a  miniature  coaxial 
cable  or  a  twisted  pair. 

It  is  important  to  note  that  the  upper  bandwidth  limit  of 
the  balun  is  determined  only  by  the  quality  of  the  trans- 


mission line;  hence,  it  will  usually  exceed  that  of  the 
multiplier.  This  is  unlike  a  conventional  transformer, 
where  the  signal  is  conveyed  as  a  flux  in  a  magnetic 
core,  and  is  limited  by  core  losses  and  leakage  induc- 
tance. The  lower  limit  on  bandwidth  is  determined  by 
the  series  inductance  of  the  line,  taken  as  a  whole,  and 
the  load  resistance  (if  the  blocking  capacitors  C  are  suf- 
ficiently large).  In  practice,  a  balun  can  provide  excellent 
differential-to-single-sided  conversion  over  much  wider 
bandwidths  than  a  transformer. 

IMPLEMENTATION 

Building  these  circuits  requires  good  high  frequency 
techniques.  The  circuit  schematics  suggest  suitable  lay- 
out. Ground  plane  is  essential  for  all  of  the  circuits 
described  in  this  applications  brief.  It  should  cover  as 
much  of  the  component  side  of  the  PCB  as  possible,  but 
not  directly  underneath  the  IC  or  encircling  any  individ- 
ual pins.  Sockets  add  to  the  pin  capacitance  and  induc- 
tance, and  should  be  avoided.  If  sockets  are  necessary, 
use  individual  pin  sockets  such  as  AMP  p/n  6-330808-3. 
They  contribute  far  less  stray  reactance  than  the  molded 
socket  assemblies.  Each  power  trace  should  be  decou- 
pled at  the  IC  with  a  0.1  u.F  low  inductance  ceramic 
capacitor,  in  addition  to  the  main  decoupling  capacitor. 
All  lead  lengths  should  be  kept  as  short  as  possible.  For 
lead  lengths  longer  than  an  inch,  stripline  techniques 
should  be  used. 

REFERENCES 

[Ref.  1)Gilbert,  Barrie,  "Translinear  Circuits:  A  Proposed 
Classification,"  Electronic  Letters,  Vol.  11,  No.  6,  pp.  1 26- 
127. 

[Ref.  21  Gilbert,  Barrie,  "A  Precise  Four-Quadrant  Multi- 
plier with  Subnanosecond  Response,"  Journal  of  Solid- 
State  Circuits,  Vol.  SC-3,  No.  4,  pp.  365-373. 

[Ref.  3)  Gilbert,  Barrie,  "A  New  Wideband  Amplifier 
Technique,"  Journal  of  Solid-State  Circuits,  Vol.  SC-3, 
No.  4,  pp.  353-365. 


6-48   COMPUTATIONAL  PRODUCTS 


ANALOG 
DEVICES 


AN-216 
APPLICATION  NOTE 


ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Video  VCAs  and  Keyers  Using  the  AD834  and  AD81 1 

by  Eberhard  Brunner,  Bob  Clarke,  and  Barrie  Gilbert 


INTRODUCTION 

Voltage-controlled  amplifiers  (VCAs)  built  from  analog 
multipliers  take  one  of  two  forms.  In  the  first,  the  multi- 
plier acts  as  a  voltage-controlled  attenuator  ahead  of  a 
fixed-gain  amplifier.  This  type  of  VCA  is  used  in  applica- 
tions where  only  a  moderate  maximum  gain,  but  a  fairly 
high  maximum  loss,  are  needed.  In  the  second,  the  vari- 
able attenuation  is  placed  in  the  feedback  path  around 
an  op  amp,  which,  in  fact,  implements  an  analog  divider, 
more  suitable  for  applications  requiring  high  gains. 

This  application  note  describes  practical  circuits  in 
which  the  wide  bandwidth  of  the  Analog  Devices  AD834 
Four-Quadrant  Multiplier  and  the  AD811  Current- 
Feedback  Op  Amp  are  exploited  to  provide  a  video- 
quality  VCA  with  a  maximum  gain  of  12  dB  (x4)  or  20  dFJ 
(x10),  based  on  the  first  of  the  above  methods.  A 
slightly  modified  form  of  this  VCA,  using  two  multipliers 
whose  outputs  are  summed,  provides  the  first  of  two 
video  keyer  designs;  a  second  design  uses  global  nega- 
tive feedback  around  the  multipliers  to  achieve  im- 
proved accuracy  and  some  simplification. 
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A  VIDEO-QUALITY  VCA 

The  VCA  is  shown  in  Figure  1.  The  AD834  multiplies  the 
signal  input  by  the  control  voltage.  Its  outputs  are  in  the 
form  of  differential  currents  from  a  pair  of  open  collec- 
tors, ensuring  that  the  full  bandwidth  of  the  multiplier 
(which  exceeds  500  MHz)  is  available  for  certain  applica- 
tions. In  this  case,  more  moderate  bandwidth  is  obtained 
using  current-to-voltage  conversion,  provided  by  the 
AD811  op  amp,  to  realize  a  practical  amplifier  with  a 
single-sided  ground-referenced  output.  Using  feedback 
resistors  R8  and  R9  of  511  fl  the  overall  gain  ranges 
from  -70  dB  for  VG  -0  to  +12  dB  (a  numerical  gain  of 
four)  when  VG  =  +1  V. 

The  -3  dB  bandwidth  is  90  MHz  (Figure  2)  and  is  essen- 
tially independent  of  gain.  The  response  can  be  main- 
tained flat  to  within  ±0.1  dB  from  dc  to  40  MHz  at  full 
gain  (Figure  3)  with  the  addition  of  an  optional  capacitor 
of  about  0.3  pF  across  the  feedback  resistor  R8.  The 
circuit  produces  a  full-scale  output  of  ±4  V  for  a  ±1  V 
input,  and  can  drive  a  reverse-terminated  load  of  50  CI  or 
75  fi  to  ±2  V.  Figure  4  shows  the  typical  pulse  response. 
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Figure  1.  Complete  VCA  Provides  Up  to  20  dB  of  Gain  (G  =  BW  =  25  MHz) 
and  a  Bandwidth  of  Over  90  MHz  (G  =  12  dB) 
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The  gain  can  be  increased  to  20  dB  (x10)  by  raising  R8 
and  R9  to  1.27  kll,  with  a  reduction  of  the  -3  dB  band- 
width to  about  25  MHz  (also  shown  in  Figure  2)  and  a 
maximum  output  voltage  of  ±9  V  using  the  ±12  V  sup- 
plies. It  is  not  necessary  to  alter  R6  and  R7  for  the  high 
gain  version  of  the  amplifier,  although  an  optimized  de- 
sign would  raise  these  slightly  to  restore  the  common- 
mode  voltage  at  the  input  of  the  AD81 1  to  +5  V. 
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Figure  2.  Small-Signal  Response  of  the  VCA  Shows  a 
-3  dB  Bandwidth  of  90  MHz  for  the  12  dB  Version  and 
25  MHz  for  the  20  dB  Version 
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Figure  3.  AC  Response  Can  Be  Held  Flat  to  Within 
±0. 1  dB  from  DC  to  40  MHz  by  Addition  of  a  0.1  pF 
Capacitor  Across  R8 


Figure  4.  Full-Output  Pulse  Response  for  the  12  dB 
Amplifier 


The  gain-control  input  may  be  a  positive  or  negative 
ground-referenced  voltage,  or  fully  differential,  depend- 
ing on  the  user's  choice  of  connections  at  Pins  7  and  8. 
As  shown,  a  positive  value  of  VG  results  in  an  overall 
noninverting  response.  Reversing  the  sign  of  VG  simply 
causes  the  sign  of  the  overall  response  to  invert.  In  fact, 
although  we  have  called  this  a  voltage-controlled  ampli- 
fier, it  can  just  as  well  be  used  as  a  general-purpose 
four-quadrant  multiplier  with  good  load-driving  capabil- 
ities and  fully  symmetrical  responses  from  X-  and 
Y-inputs. 

We  have  used  the  Y-input  of  the  multiplier  for  the  signal, 
since  this  port  is  slightly  more  linear  than  the  X-input, 
and  have  shown  X2  and  Y2  grounded.  These  inputs  each 
draw  about  45  of  bias  current,  so  the  grounded  (un- 
used) inputs  should  be  terminated  preferably  in  the 
same  resistance  as  the  source,  in  each  case,  to  minimize 
offset  voltages.  The  resistance  of  the  signal  source  may 
in  some  cases  be  essentially  zero  (as  in  the  case  of  a 
transformer-coupled  input,  or  certain  signal  generators); 
note  that  a  doubly  terminated  cable  line  of  impedance 
Z0  will  present  a  dc  resistance  of  Z0/2  at  the  input. 
Resistors  R1  and  R2  have  been  included  in  Figure  1  to 
minimize  the  likelihood  of  small  aberrations  arising  in 
the  signal  path  in  those  cases  where  VG  is  derived  from 
a  source  having  poor  HF  characteristics;  they  may  be 
omitted  in  the  four-quadrant  multiplier  application. 

High-frequency  circuits  such  as  those  described  herein 
are  sensitive  to  component  layout,  stray  capacitance, 
and  lead  lengths.  Use  a  ground  plane  and  make  short, 
direct  connections  to  ground.  Bypass  the  power-supply 
connections- inductance  in  the  power-supply  leads  can 
form  resonant  circuits  that  produce  response  peaking  or 
even  sustained  oscillations. 
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Circuit  Analysis 

To  understand  the  operation  of  the  VCA,  we  need  first  to 
consider  the  scaling  properties  of  the  AD834,  which  is 
actually  an  accurate  nonlinear  (two-input)  voltage- 
controlled  current  source.  Figure  5  shows  a  simplified 
schematic  of  the  whole  VCA. 

The  exact  transfer  function  for  the  AD834  would  show 
that  the  differential  voltage  inputs  at  XI,  X2  and  Y1,  Y2 
are  first  multiplied  together,  divided  by  the  scaling  volt- 
age of  1  V  (determined  by  the  on-chip  bandgap  refer- 
ence) and  the  resulting  voltage  is  then  divided  by  an 
accurate  250  fi  resistor  to  generate  the  output  current.  A 
simplified  form  of  this  transfer  function  is 


/„,  =  (X,  -  X2)(Y1   -  Y2)  x  4mA 


(1) 


where  lw  is  the  differential  current  output  from  W1  to 
W2  and  it  is  understood  that  the  inputs  X,,  X2,  Y,,  and  Y2 
are  expressed  in  volts.  Thus,  when  both  differential  in- 
puts are  1  V,  lw  is  4  mA;  this  current  is  laser-calibrated  to 
close  tolerance,  which  simplifies  the  use  of  the  AD834  in 
many  applications.  Note  carefully  the  direction  of  this 
current  in  determining  the  correct  polarity  of  the  output 
connections. 

It  is  easy  to  show  that  the  output  of  the  AD811  is 

Vout  =  2  x  lw  x  RF  (2) 

where  RF  is  the  feedback  resistor.  For  RF  =  500  fi  (499  fi 
is  the  nearest  standard  resistor  value),  the  overall  trans- 
fer function  of  the  VCA  becomes 


4(X,  -  X2)IY,  -  Y2\ 


(3) 


which  reduces  to  VOUT  =  4VGV|N  using  the  labeling 
conventions  shown  in  Figure  1.  As  noted,  the  phase  of 
the  output  reverses  when  VG  is  negative.  A  slightly 
higher  value  of  RF  is  used  to  compensate  for  the  finite 
gain  of  the  AD811. 

Both  the  AD811  and  the  AD834  can  operate  individually 
from  power-supply  voltages  of  ±5  V.  However,  to  en- 


sure proper  operation  of  the  AD811's  input  stage,  the 
common-mode  voltage  at  W1  and  W2  must  be  within 
the  common-mode  range  of  these  inputs.  There  are  sev- 
eral ways  to  do  this.  We  can  use  separate  supplies  of 
±5  V  for  the  AD834  and  ==  ±9  V  for  the  AD81 1 .  Here,  we 
have  chosen  to  show  how  the  VCA  can  be  biased  from 
one  dual  supply  of  nominally  ±12  V.  Figure  5  also  helps 
to  understand  the  dc  biasing  design. 

We  begin  by  deciding  to  place  the  AD834's  outputs  at 
about  +5  V  (a  little  higher  than  they  operate  in  the  other 
published  applications  of  this  product).  Under  dc  condi- 
tions, the  high  open-loop  gain  of  the  op  amp  forces  W1 
and  W2  to  assume  the  same  potential.  We  calculate  the 
values  of  RA  to  introduce  the  required  7  V  drop,  by  con- 
sidering the  components  of  the  total  current  in  each  of 
these  resistors  for  the  zero-signal  condition. 

First,  when  VOUT  =  0,  the  current  in  resistors  RF  must  be 
10  mA  (5  V/  500  fi  ).  Second,  the  standing  current  into 
W1  and  W2,  due  to  the  AD834's  internal  biasing,  is 
8.5  mA  per  side.  Third,  in  this  application  we  provide  the 
positive  supply  voltage  for  the  AD834  (at  Pin  6)  via  resis- 
tors RB  which  each  carry  one-half  of  the  total  supply 
current  of  11  mA.  Thus,  the  total  current  in  resistors  RA 
is  24  mA  (10  +  8.5  +  5.5  mA)  and  a  value  of  294  fi  is 
chosen  (the  closest  standard  value  to  7  V/24  mA)  for 
these  resistors.  Finally,  we  choose  RB  to  set  the  voltage 
at  Pin  6  to  +4  V,  which  is  high  enough  to  ensure  accu- 
rate operation  of  the  AD834  over  the  full  signal  and 
temperature  ranges;  the  nearest  standard  resistor  value 
is  182  fi  (1  V/  5.5  mA). 

The  presence  of  these  resistors  (whose  parallel  sum  is 
1 12  fi  on  each  side)  at  the  input  of  the  op  amp  causes  it 
to  operate  at  a  "noise  gain"  of  4.45  (499fi/112fi),  but 
this  neither  has  any  significant  effect  on  the  dc  scaling  of 
the  system,  nor  does  it  lower  the  closed-loop  bandwidth 
(as  would  be  the  case  for  a  conventional  voltage- 
feedback  op  amp). 


Figure  5.  Simplified  Schematic  of  the  VCA  for  Analysis  Purposes 
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A  VIDEO  KEYER  BASED  ON  THE  VCA 

Using  two  AD834s  and  adding  a  1  V  dc  source,  a  special 
form  of  a  two-input  VCA  called  a  video  keyer  (Figure  6) 
can  be  assembled.  Keying  is  the  term  used  in  reference 
to  blending  two  or  more  video  sources  under  the  control 
of  a  further  signal  or  signals  to  create  such  special  ef- 
fects as  dissolves  and  overlays.  The  circuit  described 
here  is  a  two-input  keyer,  with  video  inputs  VA  and  VB, 
and  a  control  input  VG.  The  output  at  the  load  is  given  by 

Vout  =  GVA  +  |1  -G)VB  (4) 

where  G  is  a  dimensionless  variable  (actually,  just  the 
gain  of  the  "A"  signal  path)  that  ranges  from  0  when 
VG  =  0,  to  1  when  VG  =  + 1  V.  Thus,  VOUT  varies  contin- 
uously between  VA  and  VB  as  G  varies  from  0  to  1. 

The  operation  is  straightforward.  Consider  first  the  sig- 
nal path  through  U1,  which  handles  video  input  VA.  Its 
gain  is  clearly  zero  when  VG  =  0  and  the  scaling  we  have 
chosen  ensures  that  it  is  unity  when  VG  =  +1  V;  this 
takes  care  of  the  first  term  in  Equation  4.  On  the  other 
hand,  the  VG  input  to  U2  is  taken  to  the  inverting  input 
X2  while  XI  is  biased  at  an  accurate  +1  V.  Thus,  when 
VG  =  0,  the  response  to  video  input  VB  is  already  at  its 
full-scale  value  of  unity,  whereas  when  VG  =  +1  V,  the 
differential  input  X,  -  X2  is  zero.  This  generates  the 
second  term  in  Equation  4. 

To  generate  the  1  V  dc  needed  for  the  "1-G"  term,  an 
AD589  reference  supplies  1.225  V  ±25  mV  to  a  voltage 
divider  consisting  of  resistors  R2  through  R4.  Potentiom- 
eter R3  should  be  adjusted  to  provide  exactly  + 1  V  at  the 
X1  input. 

In  this  case,  we  have  shown  an  alternative  arrangement 
using  dual  supplies  of  ±5  V  for  the  AD834  and  ±12  V  for 
the  AD811.  Also,  the  overall  gain  in  this  case  is  arranged 


to  be  unity  at  the  load,  when  it  is  driven  from  a  reverse- 
terminated  75  fi  line.  This  means  that  the  "dual  VCA" 
has  to  operate  at  a  maximum  gain  of  x2,  rather  than  x4 
as  in  Figure  1.  However,  this  cannot  be  achieved  by 
lowering  the  feedback  resistor,  since  below  a  critical 
value  (not  much  less  that  500  fl)  the  AD81 1  will  become 
unstable.  This  is  because  the  dominant  pole  in  the 
closed-loop  ac  response  of  a  current-feedback  amplifier 
is  controlled  by  this  feedback  resistor.  It  would  be  pos- 
sible to  operate  at  a  gain  of  x4  and  then  attenuate  the 
signal  at  the  output.  Instead,  we  have  chosen  to  attenu- 
ate the  signals  by  6  dB  at  the  input  to  the  AD81 1 ;  this  is 
the  function  of  R8  through  R11. 

The  -3dB  bandwidth  is  about  85  MHz  and  the  gain  is  flat 
within  ±0.1  dB  to  30  MHz  (Figure  7).  Output  noise  and 
signal  isolation  with  either  channel  fully  off  and  the 
other  fully  on  is  about  -60  dB  to  20  MHz.  The  feed- 
through  at  100  MHz  is  limited  primarily  by  board  layout. 
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Figure  7.  AC  Response  of  the  Video  Keyer,  at  VG  =  Zero 
and  + 7  V;  Feedthrough  Is  About  -60  dB 
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Figure  6.  A  Two-Input  Video  Keyer  Based  on  the  VCA 
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A  FEEDBACK  KEYER 

The  gain  accuracy  of  the  "VCA-based"  keyer  is  depen- 
dent on  the  feedback  resistor,  RF.  Also,  any  nonlinearity 
in  the  multipliers  will  show  up  as  a  differential  gain 
error.  Using  an  alternative  technique,  in  which  the  feed- 
back is  routed  back  to  unused  signal  inputs  on  the 
AD834s,  we  can  eliminate  the  feedback  resistor  and 
achieve  higher  accuracy.  In  the  design  shown  here,  we 
have  also  used  a  level-shifting  network  between  the 
AD834  and  the  AD811  that  eliminates  the  need  for  sepa- 
rate power  supplies  for  the  two  ICs.  (In  fact,  this  tech- 
nique can  also  be  used  in  the  VCAs.) 

The  basic  idea  is  shown  in  Figure  8.  Note  first  that  VOUT 
is  returned  to  the  inverting  inputs  Y2  of  the  multipliers 
and  that  their  outputs  are  added.  The  sum  is  forced  to 
zero  by  the  assumed  high  open-loop  gain  of  the  op  amp. 
Multiplier  M1  produces  an  output  G(VA-VOUT),  while  M2 
produces  an  output  (1-G)(VB-VOUT),  where  G  is  VG/(1  V) 
and  ranges  from  0  to  1.  Therefore,  the  complete  system 
is  described  by  the  limiting  condition 

GWa-Vout)  +  I1-GI|V,H/OU7-I-0  (5) 


which  requires  that 

Vout  =  GVA  +  |1-G)VS 


(6) 


exactly  as  required  for  a  two-input  keyer.  The  summa- 
tion of  the  differential  current-mode  outputs  of  the  two 
AD834s  is  simply  achieved  by  connecting  together  their 
respective  W1  and  W2  nodes.  The  resulting  signal  — 
essentially  the  loop  error  represented  by  the  left-hand 
side  of  Equation  5  — is  forced  to  zero  by  the  high  gain  of 
an  AD81 1  op  amp. 

Figure  9  provides  a  practical  embodiment  of  these  ideas. 
The  gain-control  details  to  provide  G  and  (1-G)  terms 


•  IV  - 


M1  w 


M2  w 


(I-^XVb-Vout) 


Figure  8.  Elements  of  a  Feedback  Keyer 

are  identical  to  those  used  previously.  The  bias  currents 
required  at  the  output  of  the  multipliers  are  provided  by 
R8  and  R9.  A  dc-level-shifting  network  comprising 
R10/R12  and  R11/R13  ensures  that  the  input  nodes  of  the 
AD811  are  positioned  within  an  acceptable  common- 
mode  range  for  this  IC.  At  high  frequencies,  C1  and  C2 
bypass  R10  and  R11,  respectively. 

R14  is  included  to  lower  the  HF  loop  gain,  and  is  needed 
because  the  voltage-to-current  conversion  in  the 
AD834s,  via  the  Y2  inputs,  results  in  an  effective  value  of 
the  feedback  resistance  of  250  f!  (see  Figure  5);  this  is 
only  half  the  minimum  value  of  500  fl  required  for  HF 
stability  of  the  AD811.  (Note  that  this  resistance  is  unaf- 
fected by  G:  when  G  =  1,  all  the  feedback  is  via  U1, 
while  when  G  =  0  it  is  all  via  U2.)  Resistor  R14  reduces 
the  fractional  amount  of  output  current  from  the  multi- 
pliers into  the  current-summing  inverting  input  of  the 
AD81 1,  by  sharing  it  with  R8.  This  resistor  can  be  used  to 
adjust  the  bandwidth  and  damping  factor  to  best  suit  the 
application. 
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Figure  9.  A  Practical  Embodiment  of  a  Feedback  Keyer.  The  Inset  Shows  the  Feedback  Configuration 
(Gain  of  x2)  for  Driving  a  Reverse-Terminated  Load. 
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Figure  10  shows  the  small-signal  ac  response  of  this 
system  of  the  "A"  channel  at  unity  gain  and  zero  gain; 
as  is  inevitably  the  case,  there  is  a  small  amount  of 
feedthrough  at  the  highest  frequencies.  Two  representa- 
tive values  of  R14  are  shown;  using  402  Q,  the  pulse 
response  is  considerably  overdamped,  resulting  in  a 
-3  dB  bandwidth  of  15  MHz,  while  a  value  of  107  SI 
provides  a  maximally  flat  response  with  a  -3  dB  band- 
width of  70  MHz. 
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Figure  10.  AC  Response  of  the  Feedback  Keyer.  For  Va  = 
+  7  V,  the  -3  dB  Bandwidth  Is  75  MHz  Using  R14  =  402  (I 
and  70  MHz  with  R14  =  707  Q.  For  These  Measurements, 
RL  =  50  n 

Figure  11  shows  the  pulse  response  at  unity  gain:  in  (a) 
R14  =  402  n,  while  in  (b)  R14  =  107  n.  The  frequency 
and  pulse  responses  of  the  "B"  channel,  and  of  the 
gain-control  input  are  the  same,  being  limited  by  the 
output  amplifier  rather  than  the  AD834s.  Likewise,  the 
differential  gain  and  phase  behavior  will  be  determined 
primarily  by  the  AD811;  the  data  sheet  should  be  con- 
sulted for  more  information.  The  feedthrough  at  1  MHz 
is  about  -80  dB  and  -64  dB  at  10  MHz  and,  as  before,  is 
eventually  limited  by  board  layout.  All  of  these  results 
used  a  50  n  load  at  the  output. 


a. 


b. 


Figure  7  7.  Pulse  Response  of  the  Feedback  Keyer.  In  (a), 
R14  =  402(1  While  in  (b),  R14  =  107(1.  For  These 
Measurements,  RL  =  50  (I 
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Unlike  Figure  6's  circuit,  this  keyer  provides  unity-gain 
operation.  In  applications  where  a  reverse-terminated 
line  (50+50  fl  or  75+75  ft)  is  to  be  driven,  the  gain  can 
be  doubled  by  the  inclusion  of  a  resistive  divider  be- 
tween VOUT  and  the  Y2  pins;  equal  resistors  of  200  ft  can 
be  used  (see  the  inset  in  Figure  9).  This  halving  of  the 
feedback  voltage  also  lowers  the  bandwidth,  which  can 
now  be  restored  by  reducing,  or  even  eliminating,  R14. 
Figures  12  and  13  show  the  modified  circuit's  perfor- 
mance when  driving  a  50  ft  reverse-terminated  line. 


R1 

■  4 

1.911^ 

1  1 

37(1 

m 

*  =  1 

10k  100k  1M  10M  100M 


Figure  12.  AC  Response  of  the  Feedback  Keyer,  Now 
Configured  for  a  Gain  of  x2.  For  VG  =  +  1  V,  the  -3  dB 
Bandwidth  Is  15  MHz  Using  R14  =  73712  and  70  MHz 
with  R14  =  49.9  n.  For  These  Measurements,  RL  =50(1 


b. 


Figure  13.  Pulse  Response  of  the  Feedback  Keyer  Now 
Configured  for  a  Gain  of  x2.  In  (a),  R14  =  137  (2  While  in 
(b),  R14  =  49.9  n.  For  These  Measurements,  RL  =  50  fi 
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ANALOG 

DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


DAS  Packs  Memory  for  Easy  jxP  Interface 

by  Hans  Tucholski  and  John  Wynne 


An8x  8  dual-port  RAM  makes  a  CMOSdata-acquisitionsystem — 
combining  an  8-bit  a-d  converter  and  an  eight-channel  multiplexer- 
transparent  ton  Ps  like  the 8085 and 6800. 


For  the  first  time,  a  microprocessor-compatible 
data-acquisition  IC  eliminates  the  need  to  wait  for 
a-d  conversion  data.  The  AD7581  from  Analog  De- 
vices not  only  contains  dual-port,  8-byte  RAM,  it  also 
holds  an  eight-channel  multiplexer,  an  8-bit 
successive-approximation  a-d  converter,  address 
latches,  interface  logic,  and  three-state  buffers  for 
direct  connection  to  a  microprocessor  bus— all  on  a 
single  147  x  125-mil  CMOS  chip. 

With  all  conveniences,  including  memory,  right  on 
board,  there  is  no  need  for  interrupt  software,  and 
data  are  simply  taken  from  the  a-d  converter  in  a 
normal  microprocessor  data-read  cycle.  The  upshot 


of  all  this?  The  AD7581  can  be  treated  by  a  micro- 
processor as  a  fast  memory,  which  makes  interfacing 
to  processors  as  easy  as  adding  another  memory  chip 
to  the  acquisition  system. 

As  Fig.  1  implies,  information  flow  within  the 
device  is  unidirectional  from  input  multiplexer  to 
a-d  converter,  from  the  converter  to  memory,  and 
from  memory  to  data  bus.  Communication  between 
different  parts  of  the  device  takes  place  through 
internal  bus  structures.  The  successive-approxima- 
tion conversion  takes  place  on  a  continuous  channel- 
sequencing  basis.  Data  are  automatically  trans- 
ferred to  proper  locations  in  the  8x8  RAM  at  the 
end  of  the  conversion. 


 L 


_JL. 


STAT  | 

WRITE  ADDRESS 

CONTROL 

1 
1 

GENERATORS 
AND  DECODES 


LOOIC 

— T— — — 

8«  8  .  

T        RAM  \|T  1 

H    ^      1  H 

THRE^STATeL  J  ADDRESSEE 

DRIVERS     p         1  INTERFA 


THREE -STATE 

ADDRESS  REGISTER 
AND 
INTERFACE 

DRIVERS 

 : 


-_  _- 

i 


CONTROL  BUS 


3 


ADDRESS  BUS 


DATA  BUS 


1 .  The  AD7581  monolithic  CMOS  data-acquisition  component  Includes  an  eight-channel  multiplexer,  an  8-bit 
successive-approximation  a-d  converter,  three-state  output  drivers,  and  an  8  X  8  dual-port  RAM. 
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CMOS  DAS 


Easy  |iP  Interface 


Because  the  AD7581  is  viewed  as  memory  (rather 
than  as  an  a-d  converter)  by  a  microprocessor,  it 
can  be  treated  as  an  interleaved  DMA  device  to  allow 
easy  uP  interfacing.  Access  to  the  RAM  is  allowed 
at  any  time  for  any  channel  simply  by  applying  the 
proper  address  to  address  pins  (AO,  Ai,  A2)  and  by 
activating  chip  select  (CS).  The  CS  enables  the  read- 
address  decoder,  which  transfers  data  bits  from  the 
addressed  location  to  the  input  of  the  three-state 
output  drivers,  and  thus  onto  the  DBO  through  DB7 
data-output  pins. 

Methods  of  accomplishing  this  will  vary  according 
to  the  microprocessor  used:  For  processor  systems 
featuring  a  multiplexed  address/data  bus  such  as  the 
8085,  the  proper  address  must  be  latched  into  the 
AD7581  from  the  address  lines  using  the  address- 
latch  enable  (ALE).  However,  for  systems  having 
separate  address  and  data  buses,  such  as  the  6800, 
the  address  latches  can  be  made  transparent  simply 
by  tying  ALE  high.  The  address  decoder  for  the 


AD7581  is  enabled  with  VMA  (for  6800-type  systems) 
and  15  (for  8085-type  systems). 

The  clock  inputs,  similarly,  vary  according  to  the 
microprocessor  selected.  The  master  clock  is  tied  to 

01  in  6800-type  systems,  while  other  timing  signals 
such  as  ALE  can  be  used  in  8085-type  systems.  Figure 

2  (top)  shows  a  minimum  system  configuration  for 
the  AD7581  interfaced  with  a  6800,  while  Fig.  2 
(bottom)  shows  a  minimum  configuration  for  the 
8085. 

A  general  data-move  program  for  use  with  the  6800 
assumes  that  the  destination  address  is  within  256]0 
bytes  of  the  source  (AD7581  RAM)  address  (Fig.  3, 
top).  In  this  example,  the  AD7581  has  been  assigned 
locations  8000i6  to  8007i6.  The  index  register  gener- 
ates both  addresses,  initially  pointing  directly  to  the 
source  buffer  and,  by  indexing  using  the  displace- 
ment OFi6,  subsequently  pointing  to  the  destination 
address.  The  move  distance  of  this  program  is  limited 
to  256io  bytes. 
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2.  Interfacing  with  6800-type  microprocessors  (top)  is 
accomplished  simply  by  tying  the  phase-output  of  the 
processor  to  the  clock  input  of  the  A07581 ,  and  making  the 
ale  Input  pin  high  at  +  5  V.  With  the  8085  (bottom),  the  ale 
output  of  the  processor  is  tied  to  the  AD7S81  s  ALEand  clock. 
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3.  Moving  data  with  6800  (top)  and  8085  micros:  Source  and 
destination  can  be  anywhere  in  memory  (bottom). 


7-4   DATA  ACQUISITION  SUBSYSTEMS 


For  a  more  general  system,  in  which  the  source 
and  destination  buffers  can  be  anywhere  in  memory, 
the  program  for  the  8085  is  applicable  (Fig.  3, 
bottom).  Register  HL  assumes  the  role  of  index 
register  and  performs  all  the  necessary  addressing. 
The  AD7581  is  again  assigned  addresses  8000i6  to 
8007i6  while  destination  addresses  are  2060i6  to 
2067is.  Source  and  destination  addresses  are  held 
during  program  execution  in  locations  2050i«  and 
205216. 

Data  transfer  without  nP  interface 

Although  the  AD7581  has  been  deliberately  de- 
signed to  appear  as  RAM  to  a  microprocessor,  it  is 
equally  at  home  in  nonmicroprocessor-based,  or 
hardware-oriented,  systems.  In  some  real-time  ap- 
plications, it  may  be  required  to  provide  an  interrupt 
signal  when  a  particular  channel  receives  updated 
data.  To  achieve  this,  it  is  necessary  to  identify  which 
channel  is  currently  under  conversion. 
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4.  Without  a  microprocessor  interface,  the  AD7581  can  be 
harnessed  to  a  write-address  generator  (top).  Input-channel 
selection  without  microprocessor  control  Is  helped  by  a 
channel-0  Identification  circuit(bottom). 


In  a  microprocessor-based  system, 
channel  identification  is  straightforward,  ac- 
complished by  monitoring  the  STAT  output  and  then 
using  software  techniques  to  identify  the  input 
multiplexer  address.  In  the  stand-alone  mode,  of 
course,  this  is  not  possible  and  a  hardware  solution 
is  necessary.  The  hardware  solution  must,  in  effect, 
make  the  internal  address  controlling  the  input 
multiplexer  available  externally.  To  achieve  this,  the 
nature  of  the  status  signal,  STAT,  changes  from  its 
usually  passive  role  of  indicating  the  a-d  converter's 
operating  state  to  the  more  important  role  of  provid- 
ing an  external  synchronizing  clock. 

Figure  4  (top)  shows  one  way  to  derive  the  address 
of  the  channel  under  conversion  from  theSTAT  signal. 
The  CD4029A  counter  is  incremented  every  eight 
input  clock  periods  via  the  inverted  STAT  signal.  The 
BCD  output  of  the  4029A  provides  the  required 
channel  address.  When  STAT  remains  low  during 
channel-0  conversion,  the  counter  is  reset  from  the 
CD4017A. 

For  applications  requiring  an  interrupt  signal  only 
after  each  complete  scan,  the  circuit  of  Fig.  4 
(bottom)  should  prove  useful.  The  time  constant  RC 
is  chosen  so  that  X2  ignores  the  normal  STAT's  low 
pulse  width  (eight  clock  periods)  but  responds  to  the 
much  wider  STAT  pulse  width  (72  clock  periods)  that 
occurs  during  channel-0  conversion.  Typically  for  a 
1-MS  clock  period,  C=  0.022  MF,  R  =  1.8  kfi. 

Figure  5  shows  a  simple  stand-alone  configuration 
for  the  AD7581  in  which  channel  selection  is  con- 
trolled by  a  thumbwheel  BCD  switch.  Since  the 
channel-selection  address  is  always  present,  ALE  can 
be  tied  high,  making  the  input  address  latches 
transparent.  The  STAT  pin  is  directly  connected  to 
the  CS  pin  to  provide  output  data  after  every  con- 
version is  complete.  A  data  latch  is  required  to  avoid 
losing  the  data  when  the  three-state  bus  drivers 
return  to  their  high-impedance  state.  The  rising  edge 
of  STAT  strobes  the  data  into  the  8212  latch  and,  after 
some  propagation  delay,  floats  the  data  bus. 
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5.  Outboard  BCD  switches  provide  address  decoding  in  the 
absence  of  a  microprocessor. 
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6.  Ten  separate  timing  states  are  required  to  cycle  data 
through  the  AD7581 .  The  first  eight  of  these  states  cycle  each 
channel  of  the  DAS  through  successive-approximation 
conversions;  the  ninth  cycle  clears  the  successive- 
approximation  register  and  loads  the  memory.  The  tenth  state 
enables  the  write-address  counter.  The  entire  sequence 
requires  640  clock  pulses. 


Whatever  the  application,  successful  operation 
depends  on  the  internal  logic  sequence. 

For  starters,  all  timing  for  the  analog-to-digital 
converter  is  derived  from  the  input  clock  frequency. 
Start-up  logic  is  included  on  the  device  to  establish 
the  correct  sequences  on  power-up.  A  maximum  800 
clock  pulses  are  required  for  this  period.  Internal 
timing  relationships  are  shown  in  Fig.  6.  Timing  logic 
inside  the  AD7581  provides  ten  separate  time  states, 
or  T-states,  for  each  channel  from  the  input  clock 
frequency.  Each  T-state  extends  for  eight  input  clock 
periods.  Thus,  640  clock  pulses  are  required  for  a  full 
scan  through  all  eight  channels,  which  gives  a 
conversion  rate  of  80  us  per  channel  for  a  1-MHz  clock 
rate. 

The  first  eight  of  these  T-states  are  required  for 
loading  8  complete  conversions  into  the  8x8  RAM, 
while  the  successive-approximation  register  is 
cleared  during  the  tenth  T-state.  This  T-state  also 
increments  the  a-d  converter's  write-address  coun- 
ter, whose  output  is  decoded  to  provide  a  l-of-8 
output  to  drive  the  input  multiplexer  as  well  as  to 
select  the  corresponding  RAM  location. 

Figure  6  shows  memory  being  updated  during  time 
state  9.  Access  to  a  storage  element  in  the  8X8- 
bit  memory  array  is  via  complementary  trans- 
mission gates,  which  have  separate  read  and  write 
data  lines  (see  "Fast  On  The  Inside").  Although  the 
memory  updating  is  related  to  the  rising  edge  of  the 
memory-write  pulse  and  is  completed  in  approx- 
imately 100  ns,  the  memory-write  pulse  stays  high 
for  four  input  clock  periods.  This  keeps  the  write 
operation  independent  of  clock  waveforms.  When  the 
memory-write  pulse  returns  low,  the  transmission 
gates  are  closed  and  the  data  are  latched. 

A  status  signal,  identifying  not  only  the  start  of 
a  complete  scan  through  the  eight  channels  but  also 
the  status  of  the  converter  through  each  channel,  is 
provided  by  the  status-output  signal,  STAT.  During 
the  tenth  T-state  of  each  conversion  cycle,  the  STAT 
output  goes  low  for  eight  input  clock  periods.  During 
channel-0  conversion,  the  STAT  output  remains  low 
for  an  additional  64  clock  periods  over  normal.  This 
is  the  only  signal  related  to  the  operating  state  of 
the  a-d  converter  that  is  externally  available.  Figure 
7  shows  this  STAT  signal  and  its  relationship  to  the 
a-d  converter's  conversion  cycle. 

The  on-chip  multiplexer  consists  of  eight  thin-film 
resistors,  each  in  series  with  a  MOS  SPDT  switch, 
and  not  the  usual  one-thin-film-resistor-with-eight- 
MOD-SPST  scheme.  This  allows  the  inputs  to  exceed 


7-6   DATA  ACQUISITION  SUBSYSTEMS 


Fast  on  the  inside 


There  are  several  internal  reasons  why  the  AD7581 
can  be  treated  simply  as  a  fast  memory  device. 

The  heart  of  the  swift,  microprocessor-compatible 
device  is  its  storage  element:  an  8  x  8-bit  static  CMOS 
memory  connected  over  complementary  transmission 
gates  to  separate  data  lines  for  writes  and  reads. 

High-speed  performance  stems  from  a  ten-transis- 
tor cell  design,  which  also  permits  direct-read-lines 
to  be  connected  to  the  three-state  buffers  without 
sense  amplifiers.  The  static  design  also  gives  virtually 
zero  power  dissipation.  And  the  double-layer  metal 
interconnect  used  in  the  fabrication  process  of  the 
device  allows  a  dense  layout. 

Memory  update,  which  occurs  during  part  of  the 
memory-write  time  state,  is  related  to  the  rising  edge 
of  the  clock.  Although  it  is  completed  in  approximately 
100  ns,  a  long  pulse  of  four  clock  periods  is  used 
because  this  makes  the  write  operation  independent 
of  clock  waveforms  and  allows  simple  logic  to  be  used. 
At  the  end  of  the  write-enable  pulse,  WE.  the  data  are 
latched.  Since  the  memory  always  contains  the  most 
recent  conversion  data  and  sports  a  dual-port  struc- 
ture, any  channel  can  be  read  at  any  time. 

Memory  words  are  selected  by  placing  the  ap- 
propriate data  on  the  address  inputs.  An  address- 
latch-enable  (ALE)  input  is  available  to  latch  the  data 


internally,  and  becomes  necessary  when  the  AD7581 
is  used  in  8085  systems  and  the  address  is  obtained 
from  the  shared  address/data  bus,  ad.-  ad,. In  other 
cases,  the  latch-enable  input  can  simply  be  tied  to 
Vdd- 

The  address  data  are  not  decoded  completely  at  this 
point,  since  this  would  cause  unnecessary  transients 
at  the  memory  latch.  The  decoder  requires  a  read- 
strobe  signal,  which  then  selects  the  word  location, 
transferring  its  bits  to  the  input  of  the  three-state 
buffers.  The  strobe  signal  is  designated  "Chip  Select" 
rather  than  "Read"  because  it  also  enables  the  three- 
state  buffers. 

The  chip-select  logic  has  been  designed  to  meet  the 
timing  requirements  when  interfaced  directly  to  an 
8085  bus.  Memory  access  is  fast,  with  valid  data 
available  approximately  250  ns  after  the  falling  edge 
of  Chip  Select,  cs.  Furthermore,  the  AD7581  clears 
the  bus  about  80  ns  after  "reading"  at  the  rising  edge 
of  CS— well  before  the  processor  places  another  ad- 
dress onto  the  bus. 

Interleaved  DMA  operation  is  achieved  simply  by 
using  the  processor  system  clock  as  a  clock  for  the 
a-d-converter  system  and  the  processor  read  as  chip 
select.  In  this  way,  internal  memory  writing  does  not 
coincide  with  the  processor's  data  reading. 
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7.  The  stat  signal,  which  identifies  the  start  of  a 
scanning/conversion  cycle,  goes  low  during  the  tenth  T-state , 
and  remains  low  while  the  zero-channel  update  Is  completed. 


the  supply  voltage  without  causing  latch-up  and 
reduces  feedthrough  between  the  channels,  while 
providing  constant  input  resistance. 

All  channels  are  switched  through  their  series  20- 
kfi  resistors  to  analog  ground,  AGND,  when  they  are 
not  under  conversion.  The  channel  under  conversion 
is  summed  with  the  output  from  the  reference-driven 
R-2R  ladder  network  to  produce  an  error  voltage  at 
the  comparator's  summing  junction.  This  error  volt- 
age is  successively  reduced  to  0  V  by  the  successive- 
approximation  technique  to  give  a  correct  digital 
representation  of  the  analog  input.  The  conversion 
speed  of  the  a-d  converter  is  limited  mainly  by  the 
settling  time  of  the  error  voltage  at  the  comparator's 
summing  junction  and  is  determined  by  the  switch 
capacitances  of  the  multiplexer  and  the  d-a-converter 
network.  The  comparator,  consisting  of  a  differen- 
tial-to-single-ended input  stage,  a  gain  stage,  and  a 
logic  driver,  provides  adequate  voltage  gain.D 
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Getting  the  Most  from  High  Resolution  D/A  Converters 

by  Scott  Wayne 


Here's  a  close  look  at  D/A  converter  specs,  requirements,  error  sources, 
and  test  methods — and  how  they  can  affect  your  circuit  designs 


High  resolution  digital-to-ana- 
log converters  have  many 
varied  applications  that  can  be 
loosely  grouped  into  two  categories: 
instrumentation  and  waveform  re- 
construction. Instrumentation  appli- 
cations include  raster  scan,  process 
control,  automatic  test  equipment, 
robotics,  and  others.  Waveform  re- 
construction includes  digital  audio, 
sonar,  and  telecommunications,  as 
well  as  specialized  waveform  gener- 
ation. Each  of  these  two  classifica- 
tions has  widely  different  specifi- 
cations and  requirements  for  D/A 
converters.  For  example,  instrumen- 
tation applications  require  tradi- 
tional D/A  specifications  such  as 
good  linearity  and  high  stability, 
while  waveform  reconstruction 
applications  require  low  total  har- 
monic distortion  (thd)  and  a  high 
signal-to-noise  ratio  (s/N). 

D/A  converter  for  instrumentation 

A  high-resolution  d/A  converter 
for  instrumentation  must  have  low 
differential  nonlinearity  (dnd  and 
integral   nonlinearity    (INL)  over 


temperature.  It  also  must  have  low 
offset  and  gain  drift,  a  high  power 
supply  rejection  ratio  (PSRR),  and 
low  noise.  This  explanation  of  the 
more  important  instrumentation 
specifications  —  as  well  as  tech- 
niques for  measuring  and  improv- 
ing them  —  should  prove  helpful 
in  applying  high-resolution  d'as. 

As  the  digital  input  to  a  D/A  con- 
verter changes  by  one  bit,  the  ana- 
log output  changes  by  some  amount. 
Ideally,  a  one  bit  digital  input 
change  should  produce  a  constant 
1  lsb  (least  significant  bit)  output 
change  anywhere  along  the  input- 
output  transfer  function.  Differen- 
tial nonlinearity,  usually  the  most 
important  specification  for  an  in- 
strumentation converter,  is  a  meas- 
ure of  the  deviation  between  the 
actual  analog  output  change  and  the 
theoretical  change  of  1  LSB.  It  is 
specified  at  room  temperature  in 
LSBs  or  as  a  percentage  of  full  scale 
range  (FSR).  Differential  nonlinear- 
ity is  a  function  of  time  and  tem- 
perature. Its  drift  is  given  in  ppm 
1000  hours  or  ppm/°C. 
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ily  be  measured  by  directly  compar- 
ing the  analog  output  produced  by 
one  digital  input  and  the  analog 
output  produced  by  the  next  sequen- 
tial digital  input.  The  effects  of 
creased.  Nonmonotonicity  implies  a  differential  nonlinearity  and  non- 
differential  linearity  error  of      monotonicity  errors  are  shown  in 

Fig.  1. 


Monotonicity  is  another  measure 
of  differential  nonlinearity.  If  a 
converter  is  monotonic,  the  analog 
output  will  remain  constant  or  in- 
crease as  the  digital  input  is  in- 


greater  than  1  lsb.  To  compute  the 
monotonic  temperature  range  of  a 
converter,  subtract  the  initial  dif- 
ferential nonlinearity  of  the  D/A 
from  1  lsb.  Divide  the  result  by  the 
dnl  drift  temperature  coefficient. 
This  gives  the  minimum  tempera- 
ture deviation  around  room  temper- 
ature for  which  the  converter  will 
remain  monotonic.  For  example, 
given  a  16-bit  device  with  an  initial 
linearity  error  of  \4  lsb  (30  ppm) 
and  a  linearity  drift  of  1  ppm/°C, 
the  monotonic  temperature  range  is 
25°C  to  ±30°C  or  -5  to  +55°C. 
Monotonicity  is  a  very  important 
specification  for  process  control  ap- 
plications because  a  nonmonotonic 
converter  will  cause  the  control  loop 
to  oscillate  endlessly. 

Differential  nonlinearity  can  eas- 


Measuring  integral  nonlinearity 

Integral  nonlinearity  (INL),  also 
referred  to  as  nonlinearity  or  rela- 
tive accuracy,  is  the  deviation  of  the 
actual  converter  output  from  a 
straight  line  drawn  between  the  end 
points  of  the  converter's  input-out- 
put transfer  function  (see  Fig.  2). 
INL  is  very  difficult  to  measure  as 
the  measurement  involves  finding 
the  difference  between  two  large 
numbers.  A  6'/4-digit  voltmeter  that 
is  accurate  to  better  than  0.0002% 
would  be  necessary  to  accurately 
measure  the  integral  nonlinearity  of 
a  16-bit  converter.  For  this  reason, 
most  integral  nonlinearity  meas- 
urements are  made  by  comparing 
the  converter  under  test  to  a  refer- 
ence converter  of  known  accuracy. 
The  errors  are  then  read  with  a  null 
meter.  A  precision  18-bit  converter 
can  be  used  to  test  converters  with 
up  to  16-bit  accuracy.  A  precision 
divider,  traceable  to  the  National 
Bureau  of  Standards,  must  be  used 
to  properly  test  an  18-bit  converter. 

Summation  errors,  or  superposi- 
tion errors,  occur  whenever  the  ana- 


1  2  3  4  5  6  7  8/0  1  2 
(a)  Differential  nonlinearity 


1  2    3  4    5  6  7  8/0  1  2 
(b)  Non-monotonicity 

Fig.  1.  Differential  linearity  and 
monotonicity  errors 


log  output  due  to  any  digital  bit 
combination  does  not  equal  the  alge- 
braic sum  of  the  analog  outputs  due 
to  each  digital  input  bit  alone.  The 
numerous  sources  of  summation 
error  in  d/a  converters  depend  pri- 
marily upon  their  internal  architec- 
ture. For  example,  in  a  typical  R-2R 
ladder  configuration,  if  both  outputs 
are  not  at  the  same  potential,  sum- 
mation errors  will  occur.  This  can 
easily  be  seen  in  the  case  of  the 
2-bit  converter  shown  in  Fig.  3. 
Also,  if  the  switch  resistance  is  not 
the  same  in  both  the  on  and  the  off 
positions,  summation  errors  will 
again  occur. 

Another  cause  of  summation  er- 
rors is  the  feedback  resistor  in  a 
voltage-output  converter.  As  the 
analog  output  increases  from  zero 
to  full  scale,  the  power  dissipated 
by  the  feedback  resistor  increases, 
and  the  resistor  heats  up.  This 
causes  a  change  in  resistor  value, 
and  a  corresponding  gain  change 
along  the  transfer  function.  Since 
this  apparent  gain  is  different  for 
a  sum  of  bits  than  it  is  for  the  in- 
dividual bits  alone,  a  summation 
error  occurs.  Gain  changes  are 
especially  troublesome  in  hybrid 
and  monolithic  converters,  where 
the  power  dissipation  of  the  feed- 
back resistor  is  limited  by  its  small 
size. 

The  simplest  method  for  measur- 
ing differential  nonlinearity  is  to 


000  001  010  Oil  100  101  110  111 


(a)  V2  LSB  nonlinearity  achieved  by 
arbitrary  location  of  "best  straight  line." 


000  001  010  011  100  101  110  111 


(b)  Nonlinearity  reference  is  straight 
line  through  end  points. 


Fig.  2.  Comparison  of  linearity  criteria  for  3-bit  D/A  converter 
(straight  line  through  end  points  is  easier  to  measure  and  gives  a 
more  conservative  specification) 


8-4    DIGITAL-TO-ANALOG  CONVERTERS 


CONTINUOUS 
CLOCK 
INPUT 


1-LSB 
(IDEAL) 


Fig.  4.  A  simple  DNL  tester 

connect  a  parallel-load  down  coun- 
ter to  the  device  under  test  (see 
Fig.  4) .  The  inputs  to  the  counter 
are  first  preset  to  the  initial  desired 
digital  input  value.  When  the  clock 
goes  low,  the  digital  input  is  asyn- 
chronously loaded  into  the  counter, 
and  presented  to  the  converter.  The 
counter  counts  down  by  one  on  the 
rising  edge  of  the  clock  pulse,  and 
a  digital  input  value  one  bit  less 
than  the  preset  input  is  presented  to 
the  converter.  Ideally,  with  a  contin- 
uous clock  signal  applied  to  the  coun- 
ter, the  resulting  analog  output  will 
be  a  square  wave  with  an  ampli- 
tude of  1  lsb  for  any  digital  input. 
The  deviation  of  this  amplitude 
from  1  lsb  is  the  differential  nonlin- 
earity  at  the  digital  input  being  ob- 
served. Amplification  of  the  analog 
output  may  be  added  if  desired. 

For  18-bit  converters,  there  are 
2N  or  262,144  possible  digital  input 
combinations.  It  would  be  quite 
tedious  to  set  this  many  input  com- 
binations with  toggle  switches. 
Even  with  an  automated  tester  that 
required  as  little  as  10  ms  per  test, 
the  entire  sequence  would  take  al- 
most one  hour.  Fortunately,  it  is  not 
necessary  to  test  all  input  combina- 
tions to  characterize  a  high  resolu- 
tion device  with  no  summation 
errors  —  a  total  of  only  N  tests  is 
requiredvIf  the  summation  errors 
are  found  to  be  reasonably  small,  a 
total  of  2N  tests  may  be  sufficient. 
These  tests  are  usually  performed 
at  the  major  carries,  the  transitions 
between  a  test  bit  "ON"  and  all  of 
the  bits  less  significant  than  the  test 
bit  ON,  and  the  test  bit  OFF. 

A  simple  method  for  measuring 


integral  nonlinearity  is  to  connect 
the  converter  to  a  parallel-load 
right-left  shift  register  (see  Fig. 
5).  The  register  is  preset  with  00 
....  01.  As  long  as  the  MSB  is  a 
zero,  zeroes  are  shifted  in  from  the 
right.  When  the  high  bit  reaches 
the  MSB,  ones  are  shifted  in  from 
the  left.  When  the  register  reaches 

11  11  it  is  again  preset  and  the 

process  continues.  A  reference  con- 
verter of  at  least  two  bits  more 
accuracy  than  the  one  under  test  is 
connected  to  the  same  register.  The 
two  analog  outputs  are  then  sub- 
tracted and  amplified  by  an  instru- 
mentation amplifier.  The  output  of 
the  amplifier  is  ideally  zero  volts. 
The  deviation  of  the  output  from 
zero  volts  is  the  integral  nonlinear- 
ity of  the  converter  under  test.  Zero 
and  gain  servos  can  also  be  added 
to  enhance  this  test. 

Program  the  measurements 

A  practical  method  for  simulta- 
neously measuring  both  integral 
and  differential  nonlinearity  is  to 
program  the  desired  digital  inputs 
into  a  prom  (see  Fig.  6).  As  the 
prom  is  cycled,  the  converter  under 
test  undergoes  a  transition  from  a 
single  input  bit  ON  alone  to  all  of 
the  lesser  significant  bits  ON,  while 
the  input  of  the  reference  converter 
sees  just  the  single  bit  ON.  Each 
time  the  lesser  significant  bits  are 
ON,  one  lsb  of  current  is  added  to 
the  output  of  the  converter  under 
test.  The  two  analog  outputs  are 
differenced,  amplified,  and  displayed. 
Ideally,  the  output  of  the  amplifier 
is  zero  volts.  The  deviation  of  the 
output  voltage  due  to  each  input  is 


±  OP-77 

(a)  Two  bit  voltage  output  R-2R 
ladder  D/A  converter 


-±-  OP-77 

(b)  Bit  1  ON,  V0  =  -  VR  12  +3/2  Vos 


n 

I  Wv  

1V0Sk. 


(c)  Bit  2  ON,  V0  =  —VR  14+1118  Vos 


(d)Bits1  and  2  ON,  V0  = 
-3/4VR  +15/8V0S  ^1+2 

Fig.  3.  Summation  errors  in  a  2-bit 
D/A  converter 
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the  integral  nonlinearity.  The  dif- 
ference in  output  voltage  due  to 
adjacent  digital  inputs  is  the  differ- 
ential nonlinearity. 

This  test  can  easily  be  automated 
by  replacing  the  PROM  with  a  micro- 
processor and  using  a  bus-interface- 
able  voltmeter  in  place  of  the  oscillo- 
scope. For  each  digital  input,  the 
output  voltage  of  the  amplifier  is 
measured  and  recorded.  This  volt- 
age represents  the  integral  nonlin- 
earity. The  meter  is  then  nulled, 
and  the  digital  inputs  switched. 
Output  voltage  is  again  measured 
and  recorded  to  determine  the  dif- 
ferential nonlinearity.  Digital  in- 
puts are  again  switched  and  the 
process  is  repeated  until  the  test  is 
complete. 

To  improve  the  linearity  of  a 
d/a  converter,  the  error  voltage  due 
to  each  digital  input  must  first  be 
measured.  A  corresponding  correc- 
tion signal  can  then  be  added  by  a 
lower  resolution  converter  with  a 
full  scale  value  worth  only  a  few 
lsbs  of  the  device  to  be  corrected. 
The  input  to  the  correction  converter 
is  stored  in  a  from  that  is  addressed 
by  the  lsbs  of  a  common  input  bus. 
While  this  approach  works  theoreti- 
cally, correcting  an  18-bit  resolu- 
tion converter  from  16-bit  to  18-bit 
accuracy  would  require  256K  x  8- 


bits  of  FROM  storage  costing  more 
than  the  converter  itself. 

For  a  converter  with  no  summa- 
tion errors,  the  worst  case  integral 
linearity  error  will  be  less  than  or 
equal  to  half  of  the  worst  case  dif- 
ferential linearity  error.  Therefore, 
if  the  summation  errors  and  the 
differential  linearity  errors  of  a 
converter  are  corrected,  the  integral 
linearity  errors  will  be  corrected 
also.  This  means  that  instead  of 
correcting  every  possible  input,  rel- 
atively few  corrections  can  be  made 
giving  the  same  net  result. 

Suppressing  summation  errors 

Many  high  resolution  converters 
are  composed  of  several  independ- 
ent internal  stages  of  4,  8,  or  12- 
bits.  The  internal  architecture  can 
guarantee  that  these  stages  don't 
interact.  Therefore,  they  cannot 
produce  summation  errors.  Summa- 
tion errors  in  the  less  significant 
stages  may  be  suppressed  with  re- 
spect to  full  scale  to  the  extent  that 
they  may  be  neglected.  Information 
about  the  size  and  location  of  the 
summation  errors  for  any  given 
converter  must  be  determined  ex- 
perimentally. 

The  only  summation  errors  that 
are  greater  than  %  lsb  at  18  bits 
occur  in  the  four  most  significant 
bits.  To  correct  for  all  of  the  sum- 
mation errors,  only  a  16  x  8  prom 


is  required.  To  ensure  correction 
for  interstage  errors,  the  PROM  can 
be  increased  to  32  x  8  —  still  many 
orders  of  magnitude  less  than  a  full 
correction  scheme.  The  only  remain- 
ing task  is  to  correct  for  the  differ- 
ential linearity  errors  in  the  13 
lesser  significant  bits.  The  net  re- 
sult is  equivalent  to  an  18-bit  accu- 
rate d/a  converter. 

A  semiautomated  calibration 
scheme  is  shown  in  Fig.  7.  The 
analog  output  due  to  each  digital 
input  to  be  corrected  is  compared 
to  the  output  due  to  the  digital  input 
one  bit  smaller.  One  LSB  of 
current  is  added  to  the  output 
during  the  smaller  input.  The 
correction  converter's  input  is 
incremented  until  the  correct 
analog  output  is  obtained.  This 
input  value  is  stored  in  RAM. 
The  lesser  significant  bits  are 
corrected  in  a  similar  manner, 
substituting  trimming  poten- 
tiometers for  the  correction 
converter. 

Instrumentation  applications 

Instrumentation  applications  for 
high  resolution  D/a  converters  are 
numerous  and  varied.  Many  of  these 
applications  use  the  converter  as  a 
programmable  voltage  source.  If 
the  converter  has  a  current  output, 
it  can  also  be  used  as  a  programma- 
ble current  source.  Careful  note 
must  be  taken  of  the  voltage  com- 
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Fig.  6.  A  combination  DNL  and  INL  tester 


rril> 


REFERENCE 

D/A 
AD1139K 


7> 


TO  OSCILLOSCOPE 


LATCH 


ADDRESS 


00.. 

.01 

00.. 

.00 

00.. 

10 

00.. 

.01 

10.. 

.00 

01.. 

.11 

11.. 

.11 

a!. 

.10 

32  x  18 
PROM 


pliance  —  the  maximum  voltage 
that  can  appear  at  the  current  out- 
put terminal  while  maintaining 
specified  linearity.  A  more  useful 
feature  of  a  current  output  device 
is  that  the  output  amplifier  can  be 
custom  tailored  to  the  application. 
For  example,  a  low  drift  amplifier 
could  be  used  for  precision  applica- 
tions, or  a  power  amplifier  could  be 
used  to  provide  a  large  output  drive 
for  a  programmable  power  supply 
(see  Fig.  8).  The  programmable 
power  supply  can  be  used  to  control 
the  magnetic  fields  produced  by  the 
electromagnets  in  a  cyclotron,  as  a 
voltage  reference,  or  to  test  a/d 
converters  in  ate  systems. 

A  high  resolution  d/a  converter 
is  often  used  as  a  digitally  con- 
trolled potentiometer  for  use  in  an 
auto  zero  or  gain  calibration  cir- 
cuit. In  the  integral  linearity  test 


set-up  of  Fig.  5,  simple  analog 
offset  and  gain  servos  are  shown. 
These  have  several  problems  in  pre- 
cision applications.  Switch  leakage 
currents  and  amplifier  bias  currents 
cause  the  capacitor  voltage  to  droop, 
causing  corresponding  offset  and 
gain  shifts.  Charge  injection,  which 
occurs  as  the  switch  opens,  causes 
a  step  at  the  amplifier  output  result- 
ing in  similar  offset  and  gain 
errors.  The  amplifier  output  con- 
stantly ramps  up  and  down  due 
to  time  delays  throughout  the 
circuit,  mostly  due  to  the  RC  time 
constant  of  the  integrator.  This, 
too,  produces  gain  and  offset  shifts. 
All  of  these  problems  can  be  elim- 
inated by  replacing  the  amplifier 
and  switch  with  a  d/a  converter 
and  comparator  (see  Fig.  9).  The 
offset  converter  is  incremented  un- 
til the  converter  under  test  is  zeroed, 
and  the  gain  converter  is  incremen- 
ted until  the  converter  under  test  is 
adjusted  to  full  scale.  The  digital 
inputs  are  latched,  and  the  correc- 
tion voltages  remain  constant  and 
jitter-free  until  the  next  auto  zero 
or  auto  gain  cycle.  This  same  tech- 
nique can  be  used  to  make  a  zero 
droop  sample  and  hold,  or  a  pre- 


cision analog-to-digital  converter. 

High-resolution  d/a  converters 
are  used  in  many  beam  steering 
applications  (see  Fig.  10)  such  as 
electron-beam  lithography,  raster- 
scan  displays,  and  vector-generated 
displays.  While  a  high-resolution 
display  may  have  only  4096  lines 
and  would  only  require  a  12-bit  con- 
verter, the  performance  would  be 
unacceptable  due  to  bars  of  vari- 
able intensity  resulting  from  the 
converter's  differential  nonlinear- 
ity.  A  16-bit  converter  would  pro- 
duce 4096  lines  with  a  spacing 
error  of  less  than  5%.  This  level  of 
uniformity  will  produce  an  undis- 
torted  picture. 

D/A  converters  speed  assembly 

A  growing  area  where  high  reso- 
lution converters  are  used  is  in 
manufacturing  and  automated  as- 
sembly, for  positioning  of  robot 
arms  or  precision  machining  (see 
Fig.  11).  A  computerized  lathe  or 
milling  machine  can  produce  a  com- 
ponent of  up  to  three  feet  in  length 
with  0.0005-in.  tolerances.  A  con- 
verter with  at  least  16  bits  of  reso- 
lution is  needed  to  control  the  depth 
of  cut  as  well  as  the  horizontal 
position  of  the  cut.  Under  micro- 
processor control,  the  horizontal  po- 
sitioning converter  would  be  incre- 
mented to  position  the  object,  while 
the  depth  control  converter  would 
be  adjusted  to  accurately  and  re- 
peatedly set  the  depth  of  cut. 

In  multiplying  D/A  converters, 
the  voltage  reference  can  be  varied. 
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Fig.  7.  Improving  the  linearity 
of  a  D/A  converter 


The  analog  output  is  the  product  of 
the  reference  input  and  the  digital 
input.  Such  converters  can  multiply 
in  one,  two,  or  four  quadrants,  de- 
pending on  the  allowed  polarity  of 
the  voltage  reference  and  the  digi- 
tal inputs. 

An  interesting  application  for  a 
high-resolution  multiplying  d/a 
converter  is  a  digitally  programmed 
resistor  for  use  as  a  resistance  tem- 
perature detector  (rtd)  simulator 
(see  Fig.  12).  For  resolution  and 
accuracy  of  0.1"C  over  a  —220  to 
+850°C  range,  an  rtd  simulator 
must  be  capable  of  varying  from 
10  to  400  n  with  10  mfl  of  resolu- 
tion. This  requires  a  16-bit  con- 
verter. The  excitation  current  from 
the  rtd  meter  may  vary  by  ±6%,  so 
a  multiplying  converter  must  be 
used  to  maintain  a  constant  resist- 
ance. The  analog  output  is  propor- 
tional to  the  excitation  current  and 
the  digital  input.  As  the  excitation 
current  increases,  the  reference 
voltage  increases.  This  causes  the 


output  and  the  excitation  voltage 
to  increase.  The  simulated  resist- 
ance is  just  the  excitation  voltage 
divided  by  the  excitation  current; 
therefore,  it's  dependent  only  upon 
the  digital  input  code  value.  The 
system  simulates  a  resistance  pro- 
grammed via  a  digital  source  at  the 
converter's  inputs. 

Waveform  reconstruction  specs 

Users  of  high-resolution  d/a  con- 
verters in  waveform  reconstruction 
applications  are  generally  not  con- 
cerned with  differential  nonlinear- 
ity  or  any  of  the  other  traditional 
specifications.  Instead,  a  new  and 
highly  specialized  set  of  speci- 
fications are  required.  This  is 
largely  because  many  converters 
used  for  waveform  reconstruction 
are  part  of  a  larger  system  where 
a  dynamic  waveform  is  digitized 
and  reconstructed.  The  user's  only 
interest  is  that  this  process  be  com- 
pleted with  a  minimum  of  error, 
exhibited  in  several  ways,  the  most 
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significant  being  total  harmonic  dis- 
tortion. Other  sources  of  error  are 
intermodulation  distortion,  noise, 
limited  dynamic  range,  poor  settling 
time,  and  aliasing. 

Dynamic  range  is  the  ratio  of  the 
smallest  output  signal  (1  lsb)  to 
the  largest  output  signal  (full  scale) 
that  a  converter  can  produce.  For 
an  N-bit  converter,  full  scale  is 
equal  to  2N  LSBs.  Theoretically,  the 
dynamic  range  of  an  N-bit  con- 
verter is  6N  dB.  Converter  noise, 
coupled  with  inaccuracies  in  the 
lsb  weight,  can  reduce  this  theo- 
retical dynamic  range  slightly. 

Signal-to-noise  ratio  (s/N)  is  the 
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ratio  of  the  maximum  RMS  signal 
to  the  RMS  quantization  error  (see 
Fig.  13) .  The  RMS  value  of  the  max- 
imum sine  wave  that  a  converter 
can  produce  is  the  peak  output 
divided  by  the  square  root  of  two, 
or  Q»2N1/VS~;  where  Q  is  defined 
to  be  the  quantization  interval.  The 
quantization  error  increases  linear- 
ly from  -Q/2  to  +Q/2  and  then 
abruptly  returns  to  —Q/2.  The  RMS 
value  of  this  sawtooth  wave  is  the 
peak  output  divided  by  the  square 
root  of  three,  or:  Q  The  sig- 

nal-to-noise ratio,  then,  is :  2NV  1.5. 
This  can  be  expressed  in  dB  as  s/N 
=  6.02N  +  1.76  dB. 

Waveform  reconstruction  is  a 
dynamic  process  and  requires  that 
the  selected  converter  perform  well 
in  a  dynamic  sense.  This  means  that 
the  settling  time  must  be  faster 
than  the  time  allotted  by  the  proc- 
ess. (Settling  time  is  the  length  of 
time  between  the  switching  of  the 
digital  inputs  of  the  converter  and 
the  time  when  the  output  reaches 
and  remains  within  a  specified  error 
band  around  its  final  value.) 


Total  harmonic  distortion  (THD) 
is  the  most  important  specification 
for  a  converter  used  for  waveform 
generation  or  reconstruction. 
Roughly  speaking,  this  is  the  dif- 
ference between  an  ideal  sine  wave 
and  a  reconstructed  version  at  the 
converter's  output.  THD  is  defined 
as  the  ratio  of  the  square  root  of 
the  sum  of  the  squares  of  the  rms 
values  of  the  harmonics  to  the  RMS 
value  of  the  fundamental.  This 
means  that  the  RMS  energy  of  each 
harmonic  must  be  squared  and 
added  together.  The  square  root  is 
taken  and  divided  by  the  RMS  en- 
ergy of  the  fundamental.  The  result 
is  the  thd  of  the  converter.  For  a 
converter  with  a  finite  number  of 
digital  inputs,  N,  and  associated 
output  voltages,  thd  can  be  calcu- 
lated from  the  formula: 


(a)  11  lines  of  4096 
positioned  with 
12  bit  accuracy. 
Note  dark  and  light  bars 


(b)11  lines  of  4096 
positioned  with 
16  bit  accuracy. 
Note  uniform  bars 


THD  = 


RMS  error 
RMS  signal 


7 


N 

2   [E,.(i)  +  EQ(i)F 

 xl00% 


where  Er_  (i)  is  the  linearity  error 
of  the  converter  at  sampling  point 
i,  and  EQ  (i)  is  the  quantization 
error  at  sampling  point  i.  Intermod- 
ulation  distortion  is  caused  by  the 
additional  error  products  produced 
when  the  ideal  output  is  composed 
of  two  sine  waves  of  different  fre- 
quency. 

When  a  d/a  converter  changes 
state,  not  all  of  its  switches  open 
and  close  simultaneously.  Internal 
voltages  and  currents  require  finite 
times  to  reach  their  final  values.  In 
a  CMOS  converter,  a  large  amount 
of  charge  is  stored  on  the  gate-to- 
source   and   gate-to-drain  capaci- 
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is  puiupeu  tu  or  irom  cne  analog 
output  as  the  switches  open  and 
close.  All  of  these  effects  combine 
to  produce  an  output  voltage  or  cur- 
rent spike,  commonly  known  as  a 
glitch.  The  amplitude  of  the  glitch 
is  nonlinearly  related  to  the  con- 
verter's input;  thus,  the  glitch  pro- 
duces energy  at  harmonics  of  the 
fundamental  frequency  and  causes 
harmonic  distortion.  When  the  ana- 
log output  is  asymmetric  about  zero 
volts,  the  second  harmonic  is  gen- 
erated. Asymmetric  behavior  of  in- 
creasing or  decreasing  signals 


10  V 


asymmetric  behavior  will  cause 
other  harmonics  (see  Fig.  14). 

Eliminating  the  glitches 

A  deglitcher  (see  Fig.  15)  is  a 
special  type  of  track-and-hold  am- 
plifier that  holds  the  output  con- 
stant from  just  before  the  input 
code  changes,  to  just  after  the 
glitch  has  died  out.  It  then  acquires 
the  new,  stable  output.  The  de- 
glitcher generates  its  own  output 
glitch,  caused  by  charge  injection 
from  its  switching  circuits.  But  this 
glitch  is  usually  small,  of  constant 
amplitude,  and  independent  of  the 
digital  input  code.  It  produces  en- 
ergy at  the  sampling  frequency,  not 
at  the  signal  frequency  or  any  of  its 
harmonics,  and  therefore  does  not 
cause  harmonic  distortion.  Band- 
limiting  the  deglitcher  output  with  a 
fixed  time  constant  suppresses  dis- 
tortion caused  by  slew  rate  limiting 
of  the  output  amplifier. 

Audio  signals  are  inherently  bi- 
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Fig.  11.  Precision  positioning 


3 


PATTERN 
STORAGE 
ROM 

) 

DEPTH  OF  CUT 
D/A  CONVERTER 


TO  DEPTH 
CONTROLLER 


reconstruct  them  must  be  bipolar 
(see  Fig.  16).  One  possible  method 
for  configuring  such  a  device  is  to 
offset  a  standard  binary  converter 
by  half  scale.  A  second  method  is 
to  sense  the  polarity  of  the  signal 
and  switch  the  output  amplifier  to 
either  an  inverter  or  a  buffer  as  re- 
quired. The  remainder  of  the  input 
determines  the  magnitude  of  the 
output  voltage.  Offset  binary  con- 
verters have  a  simple,  clean  archi- 
tecture, and  so  can  be  made  smaller, 
more  reliable,  and  less  expensive 
than  a  sign  magnitude  converter 
with  the  same  performance.  Alter- 
natively, extra  money  can  be  spent 
on  better  resistor  networks  to  yield 
an  offset  binary  converter  with  im- 
proved performance  over  a  sign 
magnitude  device  of  the  same  price. 
For  audio  applications,  however,  a 
substantial  amount  of  signal  is 
around  zero  volts.  An  offset  binary 
converter  exhibits  its  worst  temper- 
ature performance  around  zero  volts 
because  it  counts  on  the  MSB  to 
track  with  the  sum  of  all  lesser  sig- 
nificant bits,  and  with  the  bipolar 
offset  resistor.  A  sign  magnitude 
converter  exhibits  its  best  perform- 
ance around  zero  volts  because  all 
bits  are  OFF.  Good  performance 
around  zero  is  important  because 
of  the  effect  on  s/N  ratio.  Large 
signals  tend  to  mask  error-induced 
noise,  while  small  signals  will  be 
buried  by  the  same  noise.  A  binary 
converter  with  a  current  output  can 
be  converted  to  sign  magnitude 
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Fig.  12.  RTD  simulator 
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Fig.  13.  S/N  ratio 
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architecture  by  the  addition  of  a 
low-drift  amplifier,  an  spdt  CMOS 
switch,  and  an  output  buffer  (see 
Fig.  17).  The  result  is  maximum 
DNL  drift  of  ±Vi  ppm/°C  for  ±% 
full  scale  range  and  ±1  ppm/°C 
over  the  full  scale  range.  Typical 
drifts  are  ±Vi  ppm/°C  around  zero 
and  ±%  ppm/°C  over  the  full 
range. 

Check  total  harmonic  distortion 

Total  harmonic  distortion  can  be 
tested  using  the  circuit  of  Fig.  18. 
In  this  test  set  up,  the  prom  con- 
tains one  cycle  of  a  computer  gen- 
erated sine  wave.  Frequency  select 
switches  are  used  to  program  the 
adder  with  the  number  of  codes  that 
it  should  skip  on  each  count.  This 
series  of  sinusoidally-related  digital 
codes  is  fed  to  the  converter  to  gen- 
erate a  staircase  approximation  of 
an  analog  sine  wave.  If  the  adder 
is  set  to  increase  the  prom  address 
by  one  on  each  count,  4096  inputs 
will  be  presented  to  the  converter 
on  each  cycle  through  the  prom.  If 
the  adder  is  set  to  increase  the  prom 
address  by  1024  on  each  count,  only 
four  inputs  will  be  presented  on 
each  cycle.  In  this  way,  any  of  2048 
discrete  frequencies  between  12  Hz 
and  25  kHz  can  be  generated  with 
a  constant  50  kHz  sampling  rate. 
The  d/a  output  (see  Fig.  19)  is  de- 
glitched  and  displayed  on  the  spec- 
trum analyzer.  Total  harmonic 
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Fig.  14.  Typical  glitch, 
distortion,  and  error  effects 
on  the  output  signal 


distortion  can  be  computed  by  with  good  dynamics  can  be  used  as 

comparing  the  amplitude  of  the  a  precision  function  generator, 

fundamental   frequency   with   the  Through  microprocessor  control,  the 

amplitudes  of  the  harmonics  as  dis-  converter  can  produce  the  standard 

cussed.  output  functions  —  sine  waves, 

A  high  resolution  d/a  converter  square  waves,  pulses,  triangle 
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Fig.  15.  Deglitcher  circuits  for  D/A  converters 


offset,  and  inversion  are  controlled 
by  appropriately  scaling  the  inputs. 
Frequency  and  duty  cycle  are  con- 
trolled by  processor  timing.  More 
complex  functions  such  as  double 
pulses,  bursts  and  pulse  trains  are 
also  easily  implemented.  The  real 
advantage  of  using  a  high  resolu- 
tion device  as  a  function  generator 
is  that  arbitrary  waveforms  can  be 
generated.  These  can  be  used  to 
simulate  complex  waveforms,  to 
program  test  patterns,  or  to  gener- 
ate hyperbolic  or  other  transcen- 
dental functions.  A  16-bit  converter 
with  a  settling  time  of  less  than  5  ^s 


V 

+ 

- 

A 

0 

Fig.  16.  Typical  audio 

can  produce  outputs  at  up  to  200 
kHz  with  distortion  of  less  than 
0.002%. 

A  very  high  performance,  reason- 
ably low  cost,  two-channel  digital 
audio  system  can  be  implemented 
by  combining  a  fast,  high-resolu- 


tion converter  with  a  track-and- 
hold  amplifier  and  two  deglitchers. 
This  implementation  allows  a  stereo 
pair  of  analog  outputs  to  be  simul- 
taneously updated  at  50  kHz.  The 
track  and  hold  stores  the  right- 
channel  output  while  the  left  chan- 
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Fig.  17.  Sign  magnitude  D/A  converter 


8-12    DIGITAL-TO-ANALOG  CONVERTERS 


+  10 

0 

-10 

-20 

-30 

-40 

=> 
s— 

-50 

-60 

-70 

-80 
-90 

-100 

10  (2f)  15 
FREQUENCY  (kHz) 


+10 
0 

-10 
sr  -20 
^ -30 
|  -40 
si  -50 
3  -60 

-70 


(b) 


10  (2f)  15 
FREQUENCY  (kHz) 


(3f)  20 


(a) 

Fig.  19.  Spectral  distribution  of  D/A  output  signal  (a)  before  deglitching  and  (b)  with  deglitching  circuitry  added 


nel  is  presented  to  the  input  of  the 
converter.  The  two  deglitchers  are 
then  switched  from  the  hold  mode 
to  the  follow  mode,  and  their  out- 
puts are  switched  from  the  previ- 
ous sample  to  the  new  sample.  The 
deglitcher  response  is  bandlimited 
to  eliminate  distortion  caused  by 
slew  rate  limiting  of  the  amplifier. 
A  time  constant  of  3.4  /j.s  can  ensure 
the  passage  of  full-power  20  kHz 
sine  waves  without  distortion.  A 
16-bit  converter  used  along  with  a 
track-and-hold  amplifier  and  de- 
glitchers can  produce  an  audio  sig- 
nal with  distortion  of  less  than 
0.005%. 

Telecommunications  provides  an- 
other major  area  of  application  for 


high  resolution  converters.  Data  is 
digitized  for  transmission  over  tele- 
phone, broadcast,  or  satellite  com- 
munications links  and  then  recon- 
structed on  the  receiving  end. 
Again,  the  significant  parameters 
are  thd  and  settling  time,  which 
limits  the  rate  of  transmission. 

Other  uses  for  high  resolution 
converters  in  waveform  reconstruc- 
tion include  sonar  and  seismic  re- 
search. In  sonar,  a  signal  is  trans- 
mitted and  the  time  until  it  is 
reflected  back  to  the  receiver  is 
measured.  The  time,  stored  in  digi- 
tal format,  is  presented  to  the  con- 
verter. A  picture  of  the  ocean  bot- 
tom is  subsequently  generated.  In 
seismic  research,  a  similar  process 


occurs.  An  explosive  is  detonated, 
and  the  vibrations  are  measured 
using  a/d  converters  at  specified 
locations.  Data  are  processed  by  a 
computer,  and  presented  to  a  D/A 
converter  which  is  used  to  generate 
a  seismic  profile. 
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Analog  Signal-Handling  for  High  Speed  and  Accuracy 

by  A.  Paul  Brokaw 


You've  bought  an  IC  a/d  or  d/a  converter  that's  specified  for 
10-bit-and-better  resolution  and  accuracy.  Or,  you've  bought 
a  current-ouput  DAC  with  submicrosecond  settling  to  1/2  LSB. 
Much  design  effort,  technological  development,  and  process 
competence  have  been  expended  to  solve  the  hardest  part  of 
your  interface  problem.  But  .  .  .  you  aren't  out  of  the  woods 
yet!  Here  are  some  of  the  issues  that  you  will  have  to  come 
to  grips  with  to  preserve  speed,  resolution,  and  accuracy: 

1.  If  your  DAC  is  a  current-output  type  and  you  want 
voltage,  the  use  of  an  op  amp  requires  that  you  deal  with  the 
dynamic  and  steady-state  signal-interfacing  problems. 

2.  You  will  have  to  minimize  interference  introduced  via 
common  power-supply  connections. 

3.  You  will  have  to  decide  where  "ground"  should  be  and 
how  to  keep  it  there. 

4.  If  "ground"  is  remote,  you  will  have  to  couple  to  it 
without  reduced  accuracy  or  succumbing  to  interference. 

5.  If  your  analog  signal  is  being  converted  by  a  successive- 
approximations  converter,  you  may  have  to  buffer  the  source 
from  fast  transients  incidental  to  conversion. 

To  become  aware  of  these  potential  problems  is  to  have  taken 
the  first  step  towards  solving  them.  Since  all  circuits  and  sys- 
tems differ  in  important  little  ways,  there  are  no"cook-book" 
solutions  that  can  be  blithely  employed  for  satisfactory  results 
in  all  cases.  However,  a  little  thought  will  go  along  way  towards 
solving  them.  The  purpose  of  this  Brief  is  to  remind  you  of 
some  of  the  things  you  should  be  thinking  about. 

DAC's  AND  OP  AMPS  -  DYNAMIC  PROBLEMS 

A  current-output  DAC  is  usually  connected  to  the  summing 
point  of  an  inverting  op  amp,  and  then  the  feedback  loop  is 
closed  via  the  internal  "span"  resistor,  Rp,  as  Figure  1  shows. 
The  output  impedance  of  the  DAC  can  generally  be  treated  as 
a  parallel  combination  of  resistance  and  capacitance.  The  shunt 
capacitance,  Cq,  combines  with  Rp  to  add  a  pole  to  the  open- 
loop  response,  which  may  result  in  poor  closed-loop  response. 
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Figure  1.  Equivalent  circuit  of  current-output  DAC. 

Figure  2  shows  how  the  open-loop  amplitude  and  phase  re- 
sponse might  appear  if  the  spurious  pole  due  to  CQ  is  below  the 
undisturbed  system-crossover  frequency.  Not  only  will  the 
closed-loop  bandwidth  be  reduced,  but  —more  seriously- 
excess  phase  shift  will  be  introduced.  The  extra  phase  shift 
reduces  the  system  frequency  stability  margins  and  may  cause 
;  (and  perhaps  even  oscillation). 


POLE  OF  RESPONSE  FROM  OP -AMP  INTERNAL 


COMPENSATED 
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Figure  2.  Amplitude  and  phase  response  of  the  circuit  of  Fig- 
ure 1.  The  additional  pole  increases  settling  time  by  reducing 
bandwidth  and  increasing  both  overshoot  and  ringing. 
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As  Figure  3a  shows,  the  loop-stability  margins  can  be  restored 
by  connecting  a  feedback  capacitor,  Cp,  in  parallel  with  the 
feedback  resistor.  This  capacitance  creates  a  zero  in  the  open- 
loop  transfer  function,  which  can  be  adjusted  to  correct  the 
phase  margin.  However,  if  RquT  ■*  veT  l^ge  (as  is  often  the 
case  with  current-output  DAC's),  the  large  pole-zero  mismatch 
remaining  (Figure  3b)  may  result  in  slow  settling. 

Even  with  finite  values  of  Rqut>  a  small  residual  pole-zero 
mismatch  (Figure  3c)  may  result  in  long-settling  "tails";  the 
DAC  output  voltage  may  appear  to  settle  quickly,  but  then 
it  slowly  changes  —by  a  significant  amount—  to  its  final  value, 
over  the  course  of  tens  of  microseconds,  or  even  milliseconds.1 

The  residual  mismatch  will  be  eliminated  when  the  DAC-output 
circuit  and  the  feedback  network  form  a  frequency-compen- 
sated voltage  divider,  ie.,  when  RqC0  =  Rf^f-  This  condi- 
tion can  usually  be  satisfied,  but  sometimes  it  requires  large 
values  of  Cp.  Unfortunately,  CF— which  introduces  an  open- 
loop  zero— also  produces  a  closed-loop  pole,  which  reduces  the 
overall  bandwidth  and  results  in  increased  settling  time. 

RF  is  generally  fixed  by  the  desired  DAC  gain;  the  minimum 
value  of  CQ  is  a  property  of  the  converter  not  under  the  system- 

cf 


> BOUT      1  COUT 

f(R0)  -p<C0t 


Figure  3a.  Improving  loop  stability  by  the  use  of 
feedback  capacitance,  Cp . 


Figure  3b.  Response  of  circuit  3a,  neglecting  ROUT. 
Pole-  Zero  mismatch  may  yield  poor  transient  response. 


Figure  3c.  Response  of  circuit  3a  with  finite  R0UT. 


'This  process  is  discussed  in  some  detail,  with  waveforms,  in  the 
Appendix  to  an  article,  "Settling  Time  of  Operational  Amplifiers," 
by  Bob  Demrow,  appearing  in  ANALOG  DIALOGUE  4-1  (1970). 


designer's  control.  Therefore,  Cp  and  Rq  are  the  only  two 
parameters  that  can  be  manipulated  (reduced).  As  RQ'  (the 
effective  value  of  R0)  is  reduced  by  shunting  the  DAC  output 
with  a  resistor,  the  required  value  of  CF  is  reduced,  and  the 
closed-loop  bandwidth  is  increased  (Figure  4).  The  unity-gain 
bandwidth  of  the  op  amp,  b,  limits  the  open-loop  system  band- 
width, which,  in  turn,  limits  the  realization  of  closed-loop 
bandwidth.  As  Rq'  is  reduced,  the  open-loop  bandwidth 
obtainable  for  a  fixed  op-amp  bandwidth,  b,  is  also  reduced. 

A  compromise  can  be  reached  by  adjusting  RQ'  to  provide  the 
same  open-  and  closed-loop  bandwidth.  For  a  fixed  CQ  and 
Rp ,  the  values  of  Rq'  and  Cp  can  be  determined  from: 


Ro'C0  =  RpCF  = 


1  +  Vl  +  8btrRFC0 
4brr 


(1) 


The  resistive  component  at  the  DAC  output  also  influences  the 
effect  ot  the  amplifier  offset  (VQS)  and  noise  on  the  overall 
output  voltage.  Both  are  magnified  by  (1  +  RF/RQ). 


CLOSED  LOOP 
B  W  IMPLIED  i 
BY  FIXED  T 
C0.  1 


SMALLER  VALUES  OF  R^,  * 
LARGER  C.L.  BANDWIDTH 


OPEN  LOOP  B.W.  i 
IMPLIED  BY  f 
FIXED  C0,RF  1 


Figure  4.  Effect  of  varying  R0UT  (Rq  )  on  open-loop 
and  closed-loop  bandwidth. 

DAC's  AND  OP  AMPS  -  NULLING  PROBLEMS 

Perhaps  the  best  way  to  control  Vos  in  an  op  amp  used  with 
a  DAC  is  at  the  source— to  choose  an  op  amp  with  sufficiently 
low  offset  over  the  temperature  range  (such  as  the  AD510). 
The  next-best  way  is  to  null  the  op-amp's  offset  by  the  stand- 
ard VqS  trim,  taking  pains  to  connect  the  pot  wiper  to  the 
appropriate  supply  terminal  at  the  device.2  The  amplifier's 
offset-trim  adjustment  should  be  used  only  for  Vos  nulling;  if 
it  is  used  to  compensate  for  offsets  caused  by  the  flow  of  bias 
current  through  the  feedback  resistor,  as  well  as  for  offsets 


aThe  reasons  for  this  are  well-documented  in  the  Application  Note, 
"An  IC-Amplifier  User's  Guide  to  Decoupling,  Grounding,  and  Making 
Things  Go  Right  for  a  Change,"  by  the  author,  available  from  Analog 
Devices.  A  heavily  edited  version  appeared  in  EDN 
October  5, 1975. 
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occurring  in  external  circuitry,  the  amplifier  input  stage  will 
have  to  be  unbalanced,  which  will  cause  its  Vos  tempco 
to  be  degraded. 

If  the  amplifier  lacks  offset-adjust  terminals,  or  if  it  is  necessary 
to  compensate  for  the  additional  sources  of  offset  mentioned 
above  in  one  convenient  place,  there  are  two  commonly  used 
ways  of  providing  the  trim;  they  are  shown  in  Figure  5.  The 
more-desirable  approach  is  shown  in  5a;  the  correction  is 
applied  to  the  amplifier's  positive  input  terminal,  as  a  voltage. 
Since  it  is  effectively  in  series  with  Vqs  .  the  Vos  correction  is 
unaffected  by  changes  of  Rq'. 

The  less-effective  way  is  to  introduce  a  current  at  the  summing 
point,  as  shown  in  5b.  If  the  resistances  in  the  circuit  (including 
Kq  )  are  constant,  there  is  no  problem.  However,  if  Rq'  can 
vary,  the  output  offset  will  change.  If  the  change  of  Rq'  is  a 
function  of  the  applied  digital  code,  the  result  can  be  increased 
differential  nonlinearity. 


Vo-oBf*  [lv»-vc»>(1*i£)] 


(a)  Nulling  offset  with  voltage  applied  to 
op-amp  reference  input. 


[INTERNAL  Vt 
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(b)  Nulling  offset  with  current  added  at 
op-amp  summing  point. 

Figure  5.  External  offset-null  methods. 

For  example,  if  the  DAC  is  an  inverted  R-2R-ladder  type,  as 
shown  in  Figure  6,  the  output  resistance,  Rq,  approaches  R 
for  codes  containing  many  l's,  3R  for  codes  containing  a 
single  1,  and  00  for  all-O's.  If  R  =  lOkH,  the  resistance  looking 
back  into  the  network  is  about  lOkSI  for  more  than  four  l's 
and  30k£2  for  a  single  1.  Thus,  for  the  one-bit  transition 
from  0011111111  to  0100000000,  the  error  voltage, 
Vos  (1  +  Rf/Rq),  changes  from  2  Vos  to  (4/3)Vos.  If  the 
offset  had  been  nulled  at  all-O's  (1  +  Rf/Rq  =  1,  since  Rq  -»■>»), 
the  offset  error  will  be  +VQS  at  the  first  code  and  (+1/3)V0S 
at  the  second  code;  the  incremental  change  of  error  will  be 
(-2/3) Vos.  If  Vos  is  not  much  smaller  than  the  voltage  equiv- 
alent of  the  least-significant  bit,  a  tangible  error  will  result. 
It  will  be  especially  pernicious  in  the  case  of  a  multiplying- 
DAC  application  with  small  analog  inputs.  The  solution  is 
simple:  use  Figure  5a  instead  of  5b. 


Figure  6.  Variable  output  resistance  of  inverted  R-2R  ladder 
in  CMOS  and  voltage-switching  DAC's. 

"Foreign"  currents  in  common  ground  and  power  lines  can 
introduce  offset,  noise,  and  other  errors  that  will  be  amplified 
in  the  same  way  as  VQS  errors.  It  is  important  to  refer  the  am- 
plifier circuit  (and  its  external  Vos  trim),  the  load  across 
which  the  output  voltage  is  developed,  and  the  DAC's  reference 
input  —  all  of  these  —  to  the  DAC  terminals,  in  the  manner 
shown  in  Figure  7. 


Figure  7.  Referring  buffer  amplifier  and  load 
circuits  to  analog  common. 

BYPASSING  AND  DECOUPLING 

In  "virtual-ground"  systems,  such  as  an  op  amp,  driven  by  a 
current-output  DAC,  the  DAC  output  current  doesn't  actually 
return  to  ground,  but  to  one  of  the  power  supplies,  by  way  of 
the  op  amp's  output  stage  (Figure  8).  To  reduce  the  imped- 
ance in  the  high-frequency  current  path,  the  bypass  capacitor 
should  be  connected  so  as  to  return  the  currents  from  one  (or 
both)  power  terminals  to  ground  at  the  DAC.  If  the  DAC  out- 
put is  active,  it  may  require  bypassing  of  its  own  supplies  for 
the  same  reason. 

WARNING:  You  and  your  drafting  department  may  have 
conflicting  objectives.  Your  objective  is  to  design  circuits 
that  work  and  to  communicate  the  important  details  to 
whoever  assembles  them.  Your  drafting  department  (or 
so  it  may  seem)  has  the  objective  of  drawing  nice,  neat, 
squared-off  diagrams,  in  which  the  lines  representing 
conductors  are  nicely  equipotential.  You  may  have  noticed 
that,  in  Figures  7  and  8,  these  niceties  have  been  avoided. 
The  lines  are  configured  to  resemble  closely  the  job  that 
the  wires  perform,  converging  at  the  common  analog 
connection.  Again,  the  bypass-capacitor  lead,  in  Figure  8, 
wends  its  way  purposefully  around  the  op  amp's  acute 
angle  to  its  power-supply  terminal,  rather  than  shooting 
straight  up  to  meet  the  power-supply  line  (a  sure  recipe 
for  costly  debugging).  If  you  think  your  drafting  depart- 
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Figure  8.  Bypassing  power  supplies  for  virtual-ground 
applications.  Arrows  show  unbypassed  current  flow. 

ment  may  have  a  mind  of  its  own,  you  may  want  to  include 
a  special  message  for  the  person  who  builds  the  circuit  to 
be  sure  that  it  gets  built  the  way  you  want  it  built. 

Figure  9a  shows  an  example  of  ineffective  decoupling.  Here, 
the  op  amp  drives  a  load,  which  connects  to  a  long  ground  line 
(returning  to  the  power-supply  terminal),  and  the  supply-de- 
coupling for  the  amplifier  returns  to  the  power  supply  through 
another  long  line.  The  return  path  for  the  load  current  is 
as  long  as,  or  longer  than,  the  supply  lines  powering  the  op 
amp.  The  "local"  decoupling  is  not  only  ineffective;  it  may 
actually  contribute  to  noise  on  the  power-ground  bus. 


SIGNAL  CURRENT  LOOP  >  D  SUPPLY 

/  /  TERMINAL 








(a!  Decoupling  for  negative  supply  ineffective. 


voltage  control  element.  Here,  an  op  amp,  swinging  a  resistive 
load-circuit  negative,  drives  the  load  from  an  internal  PNP 
transistor,  connected  to  V—.  Decoupling  the  V—  pin  of  the 
op  amp  to  the  low  side  of  the  load  provides  the  most  direct 
return  path  for  high-frequency  currents,  and  bypasses  them 
around  ground  and  power  buses. 

GROUNDING 

Great  amounts  of  effort,  and  many  decoupling  components,  are 
spent  in  the  attempt  to  correct  problems  created  by  poor 
ground-current  management.  In  large  systems,  and  in  systems 
which  deal  with  both  high-level  and  low-level  signals,  "ground" 
(or  common  bus)  management  becomes  an  important  aspect 
of  design.  The  worst  sin-  allowing  low-level  analog  signals  to 
share  conductors  with  logic  returns  or  power  connections-  is 
an  invitation  to  trouble. 

Figure  10a  shows  an  example  of  a  path,  shared  by  digital  and 
analog  signals,  between  the  common  connections  of  a  con- 
verter and  an  analog  system.  If  the  least-significant  bit  is  worth 
2.5mV,  and  digital  on-off  current  fluctuations  of  the  order 
of  100mA  are  flowing  an  a  lead  with  0.1  fi  resistance,  the 
resulting  4-LSB  uncertainty  (not  including  spikes  and  glitches) 
suggests  that  it  would  be  folly  to  waste  money  on  a  12-bit 
converter,  when  10-bit  resolution  is  the  very  best  that  can 
be  hoped  for,  because  of  wiring  limitations. 

3. 


CONVERTER 


ANALOG 
SIGNAL 
PATH 


PATH  SHARED  BY  POWER  CURRENTS  AND 
ANALOG  SIGNAL  INCLUDING  OFFSET  AND 
NOISE  IN  ANALOG  SIGNAL  PATH 


(a)  Shared  path  produces  interference  and  errors. 


(b)  This  connection  minimizes  common  impedance 
between  analog  and  digital  (including  converter 
digital  currents). 

Figure  10.  Proper  and  improper  grounding. 


(b)  Decoupling  negative  supply  optimized  for 
"grounded"  load 

Figure  9.  Effective  and  ineffective  decoupling. 

The  cardinal  rule  of  decoupling  is:  Make  it  easy  for  the  cur- 
rent to  get  back  by  the  shortest  path.  Figure  9b  shows  a  more- 
effective  scheme,  in  which  the  decoupling  capacitor  connects 
by  the  shortest  path  between  the  load  return  and  the  load- 


As  Figure  10b  shows,  in  concept,  an  analog  subsystem  can  be 
locally  interconnected,  with  a  single-wire  connection  to  the 
digital  common.  This  signal  connection  carries  only  the  digital 
currents  required  for  the  converter's  digital  interface.  More- 
over, analog  signals  are  not  forced  to  share  a  conductor,  even 
with  those  currents.  The  analog  subsystem  should  be  powered 
by  a  supply  with  a  local  common  return,  which  may  be 
connected  to  the  digital  common  but  does  not  share  any  cur- 
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rent-carrying  conductors.  Ideally,  there  are  no  "foreign  cur- 
rents" flowing  between  the  analog  system  and  the  digital 
system,  except  for  those  within  the  converter.  If  the  two 
systems  are  joined  only  at  the  converter,  the  foreign  currents 
share  the  shortest  path,  and  their  effect  is  minimized. 

In  practical  systems,  it  is  often  impossible  to  avoid  multiple 
foreign-current  paths.  In  systems  which  include  several  d/a 
and  a/d  converters,  for  example,  each  converter  is  a  path 
for  digital  currents,  yet  it  must  have  access  to  the  analog 
signal  common.  Frequently,  the  ground  problem  in  such 
systems  can  be  treated  by  using  an  analog  common  which 
handles  only  analog  signal  returns  -  and  a  separate  system  of 
returns  for  all  digital  or  high-level  signals  (Figure  11).  Occasion- 
ally, a  third  system  of  analog  power  commons  may  be  used  to 
advantage.  Since  the  analog  common  must  be  connected  to 
the  digital  common  at  no  more  than  one  point,  safety  diodes 
should  be  added  to  any  modularized  system.  These  diodes 
prevent  large  voltages  from  developing  between  ground  sys- 
tems if  the  key  grounding  unit,  or  "Mecca",  should  be  removed 
from  the  system. 


CONVERTER 


COM  COM 


COM  COM 


Figure  1 1.  Improved  ground  current  management 
(analog  and  digital  common  must  be  joined  in  either 
converter  or  analog  system.  Diodes  are  fault  protection 
if  this  connection  is  broken.) 

WHEN  COMMON  GROUND  IS  IMPRACTICAL 

In  large  systems,  it  is  often  impractical  to  rely  on  a  single 
common  point  for  all  analog  signals.  In  these  cases,  some  form 
of  differential  (or  even  isolation)  amplifier  is  required  to 
translate  signals  between  ground  systems.  For  the  inveterate 
op-amp  user,  a  simple  subtractor,  or  "dynamic  bridge"  circuit 
may  come  to  mind.  These  circuits  translate  a  signal  which  is 
referred  to  one  ground  system  into  a  similar  or  amplified 
signal,  referred  to  a  different  ground  system  (Figure  12).  The 
common-mode  rejection  of  the  amplifier  and  a  resistance-ratio 
match  are  used  to  eliminate  the  effects  of  voltage  differences 
between  the  two  grounds,  or  common  points. 


Figure  12.  Use  of  differential  amplifier  to  eliminate 
the  effects  of  common-mode  voltage. 


It  is  generally  wise  to  power  the  op  amp  from  the  power 
available  at  the  load  side  of  the  circuit,  and/or  to  decouple  it 
with  respect  to  the  load  common.  The  reason  for  this  can 
be  deduced  from  the  circuit  architecture  of  the  most-common 
types  of  op  amps  (Figure  13). 


Figure  13.  Typical  op-amp  circuit  architecture. 

Reference  for  output  integrator  is  V—. 
An  op  amp  converts  a  differential  input  signal  to  a  single- 
ended  output  signal.  In  many  popular  op  amps,  the  differential- 
to-single-ended  conversion  is  done  with  respect  to  V-  (some 
use  V+),  and  the  resulting  signal  drives  an  integrator.3  The 
integrator  characteristic  is  used  to  frequency-compensate  the 
amplifier,  and  the  integrator  input  is  referred  to  the  single- 
ended  output,  at  V-.  The  integrator  acts  as  a  unity-gain 
follower  for  fast  signals  applied  to  its  non-inverting  (or  refer- 
ence) input.  As  a  result,  signals  applied  to  the  V-  terminal  have 
their  high-frequency  components  conveyed  directly  to  the  out- 
put. Signals  having  frequency  components  above  the  amplifier 
closed-loop  bandwidth  will  be  transmitted  from  V-  to  the 
output  with  little  or  no  attenuation. 

As  Figure  14a  shows,  if  the  op  amp  used  as  a  subtractor  ampli- 
fier is  powered  from  or  bypassed  to  the  same  common  line  as 
the  input  signal,  any  high-frequency  signals  associated  with 
that  common  will  appear  as  part  of  the  output  signal.  If  the 
ground-noise  includes  appreciable  high-frequency  noise  (such 
as  logic  currents  produce),  the  common-mode  rejection  will 
be  defeated. 

If,  on  the  other  hand  (14b),  the  op-amp  supply  terminals  are 
referred  to  the  output  signal  common,  no  extraneous  signals 
are  coupled  into  the  integrator.  Any  ground  noise  appears  as 
a  common-mode  input  signal  and  is  reduced  by  the  common- 
mode  rejection  of  the  amplifier  (which  is  typically  very  much 
better  than  the  negative-supply-voltage  rejection  at  high 
frequencies). 

Since  noise-rejection  performance  of  the  subtractor  depends 
on  carefully  matched  source  and  feedback  resistance  ratios, 
it  cannot  be  used  in  all  situations.  Whenever  the  source  imped- 
ance cannot  be  controlled,  or  is  exceptionally  high,  the  sub- 
tractor (or  dynamic  bridge)  becomes  impractical.  In  this 
situation,  ground  noise  and  other  remote-grounding  difficulties 
can  often  be  avoided  by  the  use  of  an  instrumentation  amplifier. 


3  The  reference  mentioned  in  footnote  2  provides  considerable  detail 
regarding  the  integrator-reference  and  compensation  schemes  of  some 
32  device  families. 
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IC  instrumentation  amplifiers,  such  as  the  AD521,  accept 
differential  input  signals  at  high  impedance,  provide  a  fixed 
gain  (which  can  be  selected  without  introducing  overall 
feedback  that  joins  the  input  and  output  circuitry),  and 


OUTPUT  SIGNAL 


GROUND  NOISE 


(a)  Decoupling  to  input  common  includes  ground 
noise  in  the  path  from  the  load  to  the  integrator 
driving  the  output. 

»F 


GROUND  NOISE 


OUTPUT  SIGNAL 
IP.ETURN  FROM  LOAD) 


(b)  Decoupling  to  output  common  eliminates  ground 
noise  from  integrator  reference  path.  Ground  noise 
is  minimized  in  output  signal. 
Figure  14.  Proper  and  improper  decoupling  of 
subtractors  using  op-amp  with  integrator  referred  to  V—. 
develop  the  output  voltage  with  respect  to  a  reference  terminal, 
which  may  be  connected  to  the  input  common  of  a  remote 
load-circuit  (Figure  15). 


Figure  15.  Use  of  instrumentation  amplifier  to 
interface  separate  ground  systems. 


Some  instrumentation  amplifiers  are  quite  versatile  and  can 
provide  additional  functions,  while  isolating  the  common 
returns.  For  example,  the  output-reference  terminal  can  be 
used  to  add  fixed  or  variable  bias  voltages  to  the  output. 

If  the  common-mode  voltages  are  very  large,  or  if  galvanic 
isolation  is  essential  for  safety,  isolation  amplifiers,  such  as 
the  286  (described  elsewhere  in  these  pages),  or  amplifiers 
powered  by  dc-to-dc  converters  may  be  highly  desirable. 

A/D  CONVERTERS 

The  input  impedance  of  many  analog-to-digital  converters 
changes  during  the  conversion  process  and  can  affect  the 
performance  of  an  amplifier  furnishing  the  input  signal. 

For  example,  in  successive-approximation  converters,  the 
input  current  is  compared  to  a  trial  current  (Figure  16).  The 
comparison  point  is  diode-clamped,  but  it  may  swing  plus-and- 
minus  several  hundred  millivolts.  This  gives  rise  to  a  modu- 
lation of  the  input  current.  The  output  impedance  of  a  feed- 
back amplifier  is  made  artifically  low  by  the  loop  gain.  At  high 
frequencies,  where  the  gain  is  low,  the  amplifier  output 
impedance  rises  to  its  open-loop  value.  In  the  case  of  most 
IC  amplifiers,  the  open-loop  output  impedance  is  a  minimum 
of  25  ohms,  due  to  current-limiting  resistors  (but  is  more 
typically  100-200  ohms). 


I,N  IS  MODULATED  BV 
CHANGES  IN  TEST  CURRENT. 
AMPLIFIER  PULSE  LOAD 
RESPONSE  LIMITED  BY 
OPEN  LOOP  OUTPUT  IMPEDANCE. 


ADJ570.  AD571 


Figure  16.  Relationship  between  successive-approximations 
A/D  converter  and  op  amp  that  is  the  source  of  the  input 
signal. 

Even  a  few-hundred  microamperes,  reflected  from  the  change 
in  converter  loading,  can  introduce  errors  in  instantaneous  in- 
put voltage.  If  the  conversion  speed  and  the  bandwidth  of  the 
amplifier  are  compatibly  fast,  the  output  may  return  to  the 
nominal  voltage  before  the  converter  makes  its  comparison,  so 
that  little  or  no  error  is  introduced.  However,  many  precision 
amplifiers  have  relatively  narrow  bandwidth.  This  means  that 
they  recover  very  slowly  from  output  transients.  Naturally, 
precision  amplifiers  are  more  likely  to  be  used  in  high-resolu- 
tion systems,  where  small  errors  are  less  tolerable.  As  a  result, 
fast,  high-resolution  systems  may  suffer  from  amplifier  output- 
transient  errors. 

There  are  a  number  of  ways  of  solving  the  problem.  Perhaps 
the  easiest  is  to  use  an  a/d  converter  that  has  its  own  on-board 
buffer,  e.g.,  the  AD572,  or  most  modular  types.  In  other 
cases,  a  sample-hold,  with  low  output  impedance,  may  serve 
as  a  buffer,  as  well  as  to  provide  the  sampling  function. 
Another  solution  is  to  use  (carefully)  a  wideband  op  amp, 
such  as  the  AD509,  which  does  not  include  output  current- 
limiting  resistors.  Finally,  it  is  not  difficult  to  construct  an 


8-20    DIGITAL-TO-ANALOG  CONVERTERS 


inside-the-loop  buffer  that  can  stiffen  the  output  of  a  slow, 
accurate  amplifier. 

Figure  17  shows  a  simple  unity-gain  buffer,  constructed  from 
an  NPN  and  a  PNP  transistor  in  a  compound  connection.  The 
output  impedance  of  this  buffer  remains  low  at  high  frequen- 
cies. A  good  rule-of-thumb  for  selecting  transistor  types  to  use 
in  complementary-compound  is  that  the  input  device  —  in  this 
case,  the  NPN—  should  be  a  high-frequency  transistor,  and 
the  output  device-  the  PNP-  should  be  a  relatively  slower 
transistor. 


FEEDBACK  TO  AMPLIFIER 


Figure  17.  Inside-the-loop  buffer  provides  stiff  drive 
for  unipolar  ADC. 


Since  the  buffer  is  not  current-limited,  a  small  power-device, 
capable  of  pulling  down  a  200-300mA  current-limited  supply 
without  damage,  has  been  suggested  as  the  PNP.  If  the  system 
is  definitely  safe  from  overloads,  a  smaller  PNP  can  be  used. 
This  buffer  is  intended  for  positive  unipolar  signals;  the 
3kf2  resistor  provides  ample  bias  to  keep  the  output  impedance 
low  over  the  active  range. 


A  more-complex,  protected  buffer,  for  better  performance 
with  bipolar  input  signals  is  shown  in  Figure  18.  An  AD580 
voltage  reference  can  be  used  as  a  constant-current  load  to 
keep  the  buffer  active  over  the  bipolar  range.  This  buffer  also 
includes  a  bypassed  resistor  to  limit  the  available  output 
current  without  pulling  down  the  power  bus. 


FEEDBACK  TO  AMPLIFIER 


Figure  18.  Protected  buffer  capable  of  driving  bipolar 
signals  into  ADC. 


TO  CONCLUDE 

As  we  told  you,  our  objective  was  to  make  you  aware  of  some 
of  the  analog  problems  of  implementing  interface  circuitry, 
to  start  you  thinking  about  how  to  solve  them,  and  to  give 
you  some  concrete  ideas  (but  not  "cookbook  remedies"). 
We  hope  that  they  will  help  make  you  next  system  startup 
somewhat  less  painful. 
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Understanding  and  Preventing  f 


by  Mark  Alexani 


in  CMOS  DACs 


INTRODUCTION 

Many  designers  now  use  analog  and  digital  CMOS  ICs  in  their  de- 
signs to  conserve  power  and  increase  board  functionality.  An  ex- 
tensive range  of  CMOS  logic,  A-to-D  converters,  D-to-A  convert- 
ers and  op  amps  are  currently  available;  however,  some  engi- 
neers using  these  devices  for  the  first  time  are  either  unaware  of, 
or  are  intimidated  by  the  tendencies  of  some  junction  isolated 
CMOS  ICs  to  latch  up  under  certain  conditions.  Latch-up  is 
defined  as  the  generation  of  a  low  impedance  path  between  the 
power  supply  rails  by  the  triggering  of  a  parasitic  four-layer  bipolar 
structure  commonly  referred  to  as  an  SCR  (Silicon  Controlled 
Rectifier).  This  parasitic  SCR  is  inherent  in  all  CMOS  input  and 
output  circuitry,  and  applies  to  both  analog  and  digital  integrated 
circuits.  This  application  note  examines  the  mechanisms  that 
cause  SCR  action  in  CMOS  integrated  circuits,  discusses  the 
pitfalls  that  are  commonly  encountered  in  circuit  design  that  can 
lead  to  latch-up,  and  finally  presents  techniques  to  eliminate  it. 
The  reader  can  skip  the  sections  on  theory  if  desired  and  proceed 
straight  to  the  sections  on  Identifying  the  Causes  of  Latch-up,  and 
Latch-up  Prevention  Techniques. 

SCR  OPERATION 

Prior  to  discussing  latch-up  in  CMOS  ICs,  it  is  useful  to  review  the 
basic  theory  of  SCR  operation  to  gain  an  understanding  of  the 
underlying  mechanisms  that  cause  latch-up.  An  SCR  has  the 
PNPN  structure  and  characteristics  shown  in  Figures  1  and  2, 
respectively.  The  SCR  is  a  normally-off  device  that  looks  like  a 
reverse-biased  diode  until  triggered.  Then  it  latches  and  con- 
ducts a  high  current  until  the  current  falls  below  a  minimum 
holding  value.  The  four-layer  SCR  can  be  modelled  with  two 
bipolar  transistors,  one  NPN  and  one  PNP,  connected  as  shown 
in  Figure  3.  The  resulting  device  has  three  main  terminals  -  an 
anode,  a  cathode  and  a  gate,  plus  a  secondary  gate  which  is  con- 
nected to  the  base  region  of  the  PNP  transistor.  Conduction  of 
current  through  the  SCR  is  initiated  by  injecting  sufficient  current 
into  the  base  of  Q2  to  turn  it  on.  When  this  is  done,  Q2  draws 
collector  current  through  the  base-emitter  junction  of  Q, .  Conse- 
quently, Q,  turns  on,  which  causes  additional  current  to  be 
injected  into  Q2's  base.  This  in  turn  causes  Q2  to  turn  on  even 
harder,  thus  supplying  more  base  current  to  Q1 .  The  positive 
feedback  arrangement  formed  by  and  Q2  sustains  SCR 
conduction  even  when  the  gate  current  is  removed  altogether. 
Once  triggered,  the  device  will  remain  in  this  low  impedance  state 
indefinitely  until  one  of  two  things  happen:  if  the  voltage  applied 
across  the  SCR  is  reduced  to  the  point  where  Q,  or  Q2's  emitter- 
base  junction  turns  off,  then  Q1  or  Q2  will  cease  to  conduct 
because  it  has  no  base  current  and  the  SCR  will  turn  off; 
alternatively  if  the  current  through  the  SCR  is  reduced  below  the 
minimum  holding  current  required  to  sustain  conduction,  it  will 
also  turn  off. 
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FIGURE  1 :  An  SCR  has  a  four-layer  structure  as  shown,  but 
can  also  be  thought  of  as  two  bipolar  transistors  merged 
together. 
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FIGURE  2:  The  typical  characteristics  of  an  SCR  indicate  that 
once  triggered,  the  device  conducts  a  high  current  generally 
limited  only  by  the  power  supply  and  load. 
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FIGURE  3:  The  bipolar  transistor  model  of  an  SCR  shows  the 
positive  feedback  loop  formed  when  the  collectors  of  Q1  and 
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There  are  three  ways  in  which  the  SCR  can  be  triggered  into  a 
conducting  state.  The  first  and  most  direct  way  is  to  externally  in- 
ject a  sufficiently  large  current  into  either  of  the  gate  terminals. 

A  second  and  less  obvious  way  is  to  increase  the  applied  anode 
to  cathode  voltage  (VAK)  until  avalanche  breakdown  occurs  in  the 
N^Pj  junction.  This  effectively  causes  current  injection  into  the 
gate  region  of  the  SCR  and  will  cause  it  to  latch  on  and  continue 
conducting  even  when  the  applied  voltage  is  reduced  below  the 
peak  sustaining  voltage  of  the  device.  The  third  way  to  trigger  the 
device  is  to  apply  a  sufficiently  high  AVAK/At,  or  slew  rate.so  that 
current  is  injected  into  the  gate  region  through  the  depletion  layer 
capacitance  of  the  N,-P2  junction.  Although  the  junction  depletion 
region  capacitance  decreases  with  increasing  VAK,  thus  reducing 
the  amount  of  current  injected,  high  enough  slew  rates  can  still 
cause  sufficient  current  injection  into  the  gate  region  to  make  the 
SCR  latch  on. 

It  should  be  noted  that  the  effects  of  breakdown  voltage  and  AVA  K/ 
At  on  the  trigger  point  of  the  SCR  are  intensified  by  the  presence 
of  any  gate  current  flow.  That  is  to  say  that  the  peak  sustaining 
voltage  and  the  maximum  allowable  slew  rate  both  decrease  as 
the  applied  gate  current  increases.  These  effects  are  often 
noticeable  in  CMOS  ICs  that  are  prone  to  latch  up. 

DIGITAL  INPUT  AND  OUTPUT  RELATED  SCR 
STRUCTURES  IN  CMOS  DACs 

A  typical  unbuffered  CMOS  inverter  is  shown  in  Figure  4  for 
simplicity,  and  contains  one  N-channel  MOSFET  with  its  source 
and  body  tied  to  DGND,  and  one  P-channel  MOSFET  with  its 
source  and  body  tied  to  VDD.  This  input  and  output  structure,  while 
shown  together  in  an  inverter  for  convenience,  is  characteristic  of 
all  the  digital  inputs  and  outputs  on  PMI's  CMOS  DACs.  The 
diodes  shown  from  the  output  terminal  to  DGND  and  VDDare  body 
diodes  inherent  in  the  construction  of  the  MOSFETs  themselves, 
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FIGURE  4:  A  simple  CMOS  inverter  includes  input  protection 
diodes  to  improve  the  ESD  sensitivity  of  the  device.  The  output 
diodes  are  formed  because  the  bodies  of  the  MOSFETs  are 
electrically  connected  to  VDD  and  DGND. 


while  the  input  resistor,  input  diode  to  DGND  and  the  distributed 
diode  to  VDD  are  deliberately  included  to  clamp  the  gates  at  the 
power  supply  rails.  This  input  protection  circuitry  greatly  reduces 
the  sensitivity  of  the  MOSFET  gates  to  electrostatic  discharge 
(ESD)  damage  due  to  oxide  rupture,  and  is  now  common  on 
almost  all  CMOS  integrated  circuits. 

Forward  biasing  any  one  of  the  four  diodes  shown  in  Figure  4  can 
lead  to  SCR  action  if  the  current  through  them  is  high  enough.  Fig- 
ure 5  depicts  a  cross  sectional  view  of  the  CMOS  inverter,  show- 
ing how  the  N-  and  P-channel  MOSFETs  are  fabricated.  The  P- 
channel  device  is  formed  directly  in  the  N-  type  substrate,  while 
the  N-channel  device  sits  in  a  P-  type  well.  A  parasitic  four-layer 
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FIGURE  5:  This  cross  sectional  view  of  a  simple  CMOS  inverter  with  its  input  protection  diodes  clearly  shows  the  presence  of 
parasitic  PNP  and  NPN  transistors. 
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FIGURE  6:  Rearranging  the  parasitic  bipolar  transistors 
shown  in  Figure  5,  gives  the  easily  recognizable  circuit  of  an 
SCR. 


SCR,  shown  schematically  in  Figure  6,  is  formed  when  the  N  and 
P-channel  MOSFETs  are  located  in  close  proximity  to  each  other. 
The  multi-emitter  vertical-NPN  transistor  results  from  the  fabrica- 
tion of  the  N-channel  MOSFET  in  the  P-  well,  and  the  multi- 
emitter  lateral-PNP  transistor  results  from  the  fabrication  of  the  P- 
channel  MOSFET  in  the  N-  substrate.  Fortunately,  the  PNP 
transistor  has  a  wide  base  region  and  consequently  a  low  current 
gain,  f!p  usually  much  less  than  one.  Thus,  it  typically  takes  hun- 
dreds of  milliamps  of  current  to  trigger  SCR  action.  Notice  that  the 
parasitic  SCR  is  connected  directly  across  the  power  supply  rails 


of  the  CMOS  device,  and  when  triggered,  presents  a  low  imped- 
ance path  that  will  cause  excessive  current  to  flow.  This  condition 
is  potentially  destructive  if  allowed  to  persist,  since  it  will  result  in 
permanent  damage  to  the  bond  wires  or  chip  metallization  due  to 
localized  overheating. 

In  a  CMOS  DAC  no  explicit  gate  terminal  is  available,  but  trigger- 
ing the  parasitic  SCR  can  still  be  accomplished  in  a  number  of 
ways.  The  most  common  cause  is  when  the  input  voltage 
exceeds  VDD  by  about  0.3  to  0.7  volts.  Then  the  parasitic  PNP 
transistor's  emitter-base  junction  turns  on,  thus  causing  SCR 
action.  The  input  undervoltage  situation  is  different,  however, 
because  there  is  an  input  resistor  in  series  with  the  protection  di- 
ode connected  to  DGND.  The  input  can  thus  be  swung  further  be- 
low DGND  (usually  by  as  much  as  2-3  volts)  before  the  diode  will 
conduct.  This  means  that  under  normal  operating  conditions, 
there  is  more  of  a  margin  of  protection  against  input  undervoltage 
than  input  overvoltage.  Similarly,  if  the  output  terminal  is  allowed 
to  exceed  VDD  by  about  0.3  to  0.7  volts,  then  conduction  of  the 
lateral-PNP  transistor  initiates  SCR  action.  Finally,  pulling  the 
output  below  DGND  by  more  than  0.3  to  0.7  volts  causes  the 
vertical-NPN  transistor's  emitter-base  junction  to  turn  on  and  also 
causes  the  SCR  to  trigger. 

ANALOG  GROUND  AND  OUTPUT  RELATED  SCR 
STRUCTURES  IN  CMOS  DACs 

There  are  two  other  ways  in  which  latch-up  can  be  triggered  in  a 
CMOS  DAC,  in  addition  to  the  digital  input/output  overvoltage 
situation  already  mentioned.  CMOS  DACs  such  as  those  manu- 
factured by  PMI  include  analog  circuitry  on  the  same  chip  as  the 
digital  logic,  as  shown  in  Figure  7.  Currents  flowing  from  the  thin- 
film  resistor  R-2R  ladder  network  are  switched  either  to  AGND  or 
lOUT  (a  summing  node)  using  N-channel  transistors.  These  are 
contained  in  an  isolated  P-  well,  and  have  one  drain  connection 
and  two  sources.  This  second  P-  well  is  connected  to  analog 
ground  and  not  digital  ground. 
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FIGURE  7:  This  simplified  diagram  of  a  CMOS  DAC  with  a  thin  film  R-2R  ladder  shows  the  digital  input  circuitry  plus  the  NMOS 
current  switches.  A  protection  diode  is  included  to  improve  the  ESD  tolerance. 
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Figure  8  shows  how  an  additional  parasitic  SCR  structure  is 
formed  by  the  NMOS  current  switches.  If  the  l0UT  terminal  is 
pulled  below  AGND  by  more  than  0.3  to  0.7  volts  then  the  parasitic 
NPN  transistor  associated  with  the  analog  P-  well  is  turned  on. 
This  may  result  in  SCR  latch-up  when  the  power  supplies  are 
turned  on  and  sufficient  current  is  flowing  out  of  l0UT. 

Note  that  an  additional  clamping  diode  is  included  from  DGND  to 
AGND  as  shown  in  Figure  9,  being  formed  by  an  N+  diffusion  in 
a  separate  P-  well.  The  purpose  of  this  diode  clamp  is  to  reduce 
the  ESD  sensitivity  of  N-channel  current  switches.  However,  the 
protection  diode  from  DGND  to  AGND  adds  another  parasitic 
SCR  to  the  device  structure.  If  DGND  is  allowed  to  exceed  AGND 
by  more  than  0.3  to  0.7  volts,  then  the  parasitic  NPN  transistor  is 
forward  biased,  and  the  probability  that  the  device  will  latch  up 
when  the  power  is  turned  on  is  high.  Both  of  these  situations 
should  be  avoided. 

IDENTIFYING  THE  CAUSES  OF  LATCH-UP 

Now  that  the  mechanism  of  SCR  latch-up  has  been  understood, 
potentially  dangerous  situations  can  be  identified  that  could  cause 


catastrophic  failure  of  a  CMOS  IC.  A  list  of  latch-up  inducing  con- 
ditions to  be  avoided  is  an  important  checklist  for  system  design- 
ers. The  following  guidelines  should  be  followed  for  all  designs 
using  CMOS  ICs. 

1 .  Digital  inputs  should  not  be  allowed  to  exceed  VDD  by  more 
than  0.3  volts  at  any  time.  This  includes  a  power-down  situation 
when  V, 


DD 


■  zero. 


2.  Digital  inputs  should  also  not  be  allowed  to  go  below  DGND 
by  more  than  about  2  to  3  volts  (many  data  sheets  usually  give 
-0.3  volts  as  the  maximum  limit,  however). 

3.  Digital  outputs  also  should  not  be  allowed  to  exceed  VDD  or 
DGND  by  more  than  ±0.3  volts  at  any  time. 

4.  For  a  CMOS  DAC,  DGND  should  not  be  allowed  to  exceed 
AGND  by  more  than  0.3  volts. 

5.  For  a  CMOS  DAC  also,  lOUT  should,  in  general,  not  be 
allowed  to  fall  below  AGND  by  more  than  0.3  volts.  Some  DACs 
can  tolerate  significant  lQUT  current  flow,  however,  without  any 
danger  of  latch-up. 
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FIGURE  8:  The  NMOS  current  steering  transistors  of  a  CMOS  DAC  shown  in  (a)  form  an  additional  parasitic  SCR  structure  shown 
in  (b)  that  can  cause  latch-up  when  l0UT  is  pulled  more  than  a  base-emitter  drop  below  AGND. 
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FIGURE  9:  A  clamp  diode  shown  in  (a)  from  DGND  to  AGND  reduces  ESD  sensitivity,  but  unfortunately  adds  an  additional 
parasitic  SCR  to  the  DAC  structure  as  shown  in  (b). 


Even  a  normally  benign  system  design  can  sometimes  unknow- 
ingly violate  one  or  more  of  the  aforementioned  rules.  Consider 
the  case  where  a  CMOS  logic  IC,  with  its  power  supply  at  zero 
volts  (i.e.,  turned  off),  has  its  inputs  driven  by  another  logic  IC  that 
is  powered  from  a  different  power  supply.  Here  the  upper  input 
protection  diodes  of  the  IC  being  driven  are  forward  biased,  and 
if  enough  current  flows  through  them  then  SCR  action  can  occur. 
This  situation  is  more  common  than  most  engineers  would  care 
to  admit.  It  is  especially  noticeable  in  large  systems  that  use  local 
on-card  regulators  to  power  the  ICs  on  board,  but  distribute 
signals  amongst  many  boards  through  a  backplane  interconnec- 
tion scheme.  When  raw  power  is  applied  to  all  boards,  some  of 
the  on-card  regulators  start  up  before  others,  thus  allowing 
signals  to  be  applied  to  ICs  on  boards  that  have  not  yet  powered 
up.  Figure  10  shows  howthis  can  happen.  This  violates  rule  No.1 
and  could  definitely  cause  some  devices  to  latch  up  and  conduct 
high  currents  after  their  power  supplies  came  up  to  the  normal 
operating  voltages. 

Other  problems  can  occur  even  on  single  board  systems  that  use 
multiple  power  supplies  for  the  analog  and  digital  circuitry. 
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FIGURE  10:  When  an  unpowered  CMOS  IC  has  any  inputs 
driven  more  than  +0.3  to  +0.7  volts  above  DGND,  the  parasitic 
PNP  transistor  will  begin  to  conduct.  Note  that  before  the  SCR 
triggers,  the  base  current  for  the  lateral-PNP  transistor  flows 


DIGITAL-TO-ANALOG  CONVERTERS  8-27 


Consider  a  CMOS  DAC  that  is  powered  from  a +1 2  volt  supply,  but 
is  driven  by  on  board  +5  volt  CMOS  logic.  If  the  +1 2  volt  supply 
comes  up  before  the  +5  volt  supply,  then  there  will  be  no  forward 
biasing  of  the  digital  input  protection  diodes  on  the  DAC,  and 
latch-up  will  not  occur.  On  the  other  hand,  if  the  +5  volt  supply 
comes  up  first  and  one  or  more  of  the  digital  inputs  to  the  DAC  are 
high,  then  the  upper  input  protection  diodes  are  forward  biased 
and  latch-up  will  probably  occur  if  there  is  enough  current  flowing 
into  these  inputs.  With  more  and  more  data  acquisition  and 
analog  output  boards  being  designed  for  personal  computers,  the 
lack  of  a  guaranteed  turn-on  sequence  for  the  +5  volt  and  ±1 2  volt 
supplies  that  most  PCs  typically  use  can  be  a  hazardous  situ- 
ation. Indeed,  improper  power  supply  sequencing  is  the  cause  of 
almost  all  cases  of  latch-up  in  CMOS  ICs  no  matter  what  they  are 
-  logic  devices,  DACs  or  op  amps. 

Additional  problems  can  also  be  encountered  when  CMOS  logic 
outputs  are  used  to  drive  highly  reactive  loads  or  unterminated 
transmission  lines.  Either  of  these  can  cause  sufficient  overshoot 
and  undershoot  to  forward  bias  the  parasitic  input  or  output 
diodes,  and  can  also  lead  to  latch-up  induced  failures,  if  there  is 
sufficient  current  flow  for  the  time  duration  of  the  ringing. 
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FIGURE  1 1 :  Adding  an  inexpensive  silicon  diode  in  series 
with  the  VDDpin  of  the  unpowered  IC,  effectively  prevents  the 
parasitic  lateral-PNP  transistor's  base  current  from  flowing  and 
inhibits  SCR  action. 
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FIGURE  12:  Adding  Schottky  diodes  from  the  inputs  and  outputs  of  a  CMOS  IC  to  DGND,  protects  against  undervoltages  from 
causing  conduction  of  the  parasitic  NPN,  thus  inhibiting  SCR  action.  The  series  damping  resistor  makes  ringing  due  to  long  PC 
board  traces  die  out  more  quickly. 
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Fortunately,  latch-up  problems  with  modern  CMOS  ICs  are  be- 
coming rarer  and  rarer  due  to  special  design  techniques  that  are 
being  incorporated  to  raise  the  required  input  or  output  current 
trigger  levels  to  very  high  values  (hundreds  of  milliamps).  How- 
ever, rugged  ICs  are  still  no  substitute  for  good  design  practice. 

LATCH-UP  PREVENTION  TECHNIQUES 

The  following  recommendations  should  be  implemented  in  gen- 
eral, for  all  CMOS  designs  that  violate  one  or  more  of  the 
previously  discussed  rules: 

1 .  If  the  digital  inputs  or  outputs  of  a  device  can  go  beyond  VDD 
at  any  time,  a  diode  (such  as  a  1 N91 4)  connected  in  series  with 
VDD  will  prevent  SCR  action  and  subsequent  latch-up.  This 
works,  because  the  diode  prevents  the  base  current  of  the 
parasitic  lateral-PNP  transistor  from  flowing  out  of  the  VDD  pin, 
thus  prohibiting  SCR  triggering.  This  is  shown  in  Figure  11. 


♦  5V 


#  V 

DGND  AGND 


FIGURE  13:  Connecting  Schottky  diodes  between  DGND  and 
AGND  prevents  conduction  of  the  parasitic  NPN  transistor, 
and  helps  to  minimize  injected  noise  from  DGND  to  the  analog 
output. 


2.  If  the  digital  inputs  or  outputs  of  a  device  can  go  below  DGND 
at  any  time,  a  Schottky  diode  (such  as  an  HP5082-2835)  con- 
nected from  those  inputs  or  outputs  to  DGND  will  effectively 
clamp  negative  excursions  at -0.3  to  -0.4  volts.  This  prevents  the 
emitter-base  junction  of  the  parasitic  NPN  transistor  from  being 
turned  on,  and  also  prevents  SCR  triggering.  Figure  1 2  shows  the 
connections  for  the  Schottky  diodes. 

3.  If  the  DGND  potential  can  occasionally  exceed  AGND  by  more 
than  0.3  volts,  a  Schottky  diode  placed  between  the  two  pins  of 
the  device  will  prevent  conduction  of  the  associated  parasitic 
NPN  transistor.  This  provides  additional  protection  against  latch- 
up  as  shown  in  Figure  13.  An  extra  diode  connected  in  inverse 
parallel  with  the  one  just  mentioned  provides  clamping  of  DGND 
to  AGND  in  the  other  direction  and  will  help  to  minimize  digital 
noise  from  being  injected  into  the  DAC. 

4.  In  circuits  where  the  l0UT  pin  of  a  CMOS  DAC  can  be  pulled 
below  AGND,  another  Schottky  diode  clamp  between  these  two 
terminals  will  prevent  sensitive  ICs  from  latching  up.  This  condi- 
tion sometimes  occurs  with  high-speed  bipolar  operational  ampli- 
fiers that  are  used  as  current-to-voltage  converters  following  the 
DAC.  During  power-up  or  power-down  transitions,  the  op  amp's 
inverting  input  presents  a  low  impedance  from  lOUT  to  the 
negative  supply  rail.  An  unprotected  DAC  may  not  be  reliable 
without  the  requisite  Schottky  diode  clamp  to  AGND. 

5.  Finally,  in  designs  that  have  long  digital  PC  board  traces 
between  components  and  are  prone  to  inductive  ringing  prob- 
lems, a  series  damping  resistor  of  1 0-1 00Q  often  will  be  benefi- 
cial. This  resistor  increases  the  damping  factor  of  the  equivalent 
series  RLC  network  and  causes  the  ringing  to  decay  more 
quickly.  This  will  help  to  prevent  conduction  of  the  input  or  output 
protection  diodes. 

Keeping  these  relatively  simple  and  inexpensive  procedures  in 
mind  when  designing  with  CMOS  ICs  will  prevent  commonly 
encountered  problems  due  to  latch-up,  resulting  in  trouble-free 
operation.  The  old  proverb  that  says,  "An  ounce  of  prevention  is 
worth  a  pound  of  cure,"  is  very  appropriate  here. 
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Adding  Additional  Input  Channels  to  the  AD7773/AD7775 

by  John  Wynne 


The  AD7773  and  AD7775  accept  differential  input  signals 
through  the  differential  input  pins,  V,N(  +  )  and  V,N(-). 
However,  a  special  mode  exists  which  disconnects  the 
output  of  the  rectifier  from  the  C,NT(  +  )  pin  and  allows 
single-ended  input  signals  to  be  applied  via  the  C,NT(  +  ) 
pin.  Locations  CR7,  CR8  and  CR9  of  the  10-bit  wide 
Control  Register  are  decoded  to  provide  a  number  of 
different  functions  and  modes  of  operation  within  the 
AD7773  and  AD7775.  CR7  determines  whether  a  signal 
will  be  acquired  via  the  synchronous  detector's  differen- 
tial inputs  or  direct  from  the  C,NT(  +  )  pin.  CR7  is  ANDed 
with  the  internally  generated  integrate  signal  INT  to 
make  or  break  the  signal  path  from  the  rectifier  output  to 
the  C|NT(  +  )  pin.  With  CR7  low  the  rectifier  output  drives 
the  external  integrating  capacitor  on  the  CINT  pins,  and 
all  input  signals  are  acquired  through  the  V,N(  +  )  and 
V|N(-)  differential  input  pins.  With  CR7  high  the  synchro- 
nous detector  stage  is  bypassed,  and  all  input  signals 
are  now  acquired  through  the  single-ended  C,NX(  +  )  pin. 
Table  I  shows  the  different  options/modes  available  and 
their  respective  addresses. 

Table  I.  Functional  Address  Decoding  for  the  AD7773 
and  AD7775 


CR9 

CR8 

CR7 

Function 

0 

0 

X 

Soft  Reset 

0 

1 

X 

Power  Down 

1 

0 

0 

Not  Allowed 

1 

0 

1 

Calibration  Mode 

1 

1 

0 

Normal  Mode 

1 

1 

1 

Bypass  Mode 

X  =  Don't  Care 


Bypass  Mode:  In  this  mode  the  synchronous  detector, 
rectifier  and  integrator  are  bypassed  and  the  single- 
ended  input  signals  to  be  captured  are  now  applied  via 
the  C,NT(  +  )  pin,  the  CINT  capacitor  having  been  removed. 
To  select  the  bypass  mode  locations,  CR7,  CR8  and  CR9 
of  the  control  register  are  loaded  with  logic  highs.  A 
simplified  timing  diagram  of  the  channel  operating  in 
the  bypass  mode  is  shown  in  Figure  1. 


When  CTRL  goes  high  at  the  start  of  a  signal  capture,  the 
input  begins  to  be  tracked  by  one  of  the  four  T/H  ampli- 
fiers. On  the  falling  edge  of  CTRL,  the  tracking  T/H  am- 
plifier is  put  in  the  hold  mode,  and  the  voltage  on  its 
hold  capacitor  remains  held  for  subsequent  A/D  conver- 
sion. Unlike  the  synchronous  detector  mode  the  dis- 
charge switch,  SW3,  remains  open  between  successive 
CTRL  signals.  When  the  number  of  bypass  signals  cap- 
tured equals  the  preprogrammed  number  expected,  the 
capture  sequence  ends  and  the  held  voltages  are  se- 
quentially applied  to  the  ADC  and  converted.  From  here 
on,  channel  operation  is  identical  to  the  Synchronous 
Detector  mode  as  described  in  the  AD7773/AD7775  data 
sheet.  Note  that  locations  SR1-SR4  of  the  Status  Regis- 
ter now  convey  no  meaningful  information  and  should 
be  ignored  for  Bypass  Detector  operation. 


#1  #2 


T/H2 
ENABLE 


Figure  1.  Channel  Timing  Wafeforms  in  Bypass  Mode 

There  are  a  number  of  considerations  which  should  be 
followed  when  changing  between  modes.  The  first  is 
that  no  mode  change  be  attempted  before  the  burst 
capture  and  conversion  sequence  is  complete,  i.e.,  not 
until  location  SR0  of  the  Status  Register  returns  low. 
This  will  avoid  any  inadvertent  corruption  of  a  conver- 
sion in  progress.  The  second  consideration  involves  the 
delay  between  writing  to  the  Control  Register  and  start- 
ing a  new  burst  capture  sequence.  This  time  is  defined 
under  the  Demodulator  Timing  Characteristics  as  the 
WR  rising  edge  to  CTRL  rising  edge  and  is  specified  as 
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200  ns  minimum.  It  is  required  to  ensure  that  the  correct 
conditions  have  been  set  up  internal  to  the  device. 

A  final  consideration  involves  allowing  sufficient  time 
for  the  integrating  capacitor,  C,NT,  to  discharge  when 
changing  from  the  Bypass  mode  to  one  of  the  other 
operating  modes.  This  is  necessary  since  CINT  is  not 
discharged  by  the  internal  discharge  switch,  SW3,  either 
between  successive  CTRL  pulses  or  even  on  completion 
of  the  burst  capture  sequence.  A  discharge  time  of 
300  ns  — equivalent  to  tc2,  the  CTRL  Low  time  in  Figure  1 
—  is  adequate  after  transferring  out  of  the  Bypass  mode. 
This  discharge  time  and  the  previous  set  up  time  of 
200  ns  must  be  added  together  to  arrive  at  a  final  overall 
delay  of  500  ns. 

Adding  Extra  Channels 

Figure  2  shows  a  recommended  circuit  for  adding  one 
extra  input  channel  to  the  AD7773  and  AD7775.  Figure  3 
shows  the  recommended  circuit  for  multiple  input  chan- 
nels. Op  amps  A1  and  A2  can  be  an  OP-292  from  Analog 
Devices,  a  dual  op  amp  designed  for  single  +5  V  opera- 
tion. Op  amp  A3  is  a  transconductance  amplifier  such  as 
the  CA3080  from  RCA.  This  amplifier  must  be  gated  OFF 
via  its  bias  input  pin  when  the  Bypass  mode  is  not 
selected.  The  analog  input  voltage  signal(s)  to  both  cir- 
cuits is  expected  to  range  from  0  V  to  1.2  V. 


VOLTAGE  R 

C|NT 
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Figure  2.  Adding  One  Additional  Input  Channel  to  the 
AD7773  and  AD7775 


Figure  3.  Adding  Four  Additional  Input  Channels  to 
AD7773  and  AD7775 
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Single  Supply  Operation  of  the  DAC-08  and  DAC-20 


FEATURES 

•  Simple  Interface 

•  Compatible  with  CMOS  and  Open  Collector  TTL 

•  No  Degradation  in  Performance 


GENERAL  DESCRIPTION 

The  DAC-08  may  be  operated  from  a  single  supply  when 
properly  biased.  This  circuit  will  allow  the  use  of  a  single 
power  supply,  or  battery,  and  still  realize  the  premium  per- 
formance of  these  high  speed  DACs. 

The  resistive  voltage  divider  inputs  to  VLC  and  logic  inputs 
provide  the  necessary  voltage  levels  for  operation  from 
CMOS  and  Open  Collector  TTL  logic. 
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12-Bit  Voltage-Output  DACs  for  Single  Supply  5  V  &  12  V  Systems 

by  John  Wynne 


The  basic  CMOS  Multiplying  DAC,  pioneered  by  Analog 
Devices,  is  a  voltage-in,  current-out  device.  Intended  as  a 
two-quadrant  multiplier,  the  output  signal  current,  which 
is  proportional  to  the  product  of  the  digital  input  word 
and  the  input  voltage  reference,  is  steered  into  a  virtual 
earth  summing  junction  of  an  external  op  amp,  the  loop 
being  closed  around  the  op  amp  by  the  on-chip  feedback 
resistor  RFB.  This  circuit  inherently  provides  signal  in- 
version, a  positive  input  signal  is  translated  into  a  nega- 
tive output  voltage.  The  AD75XX  family  of  CMOS 
multiplying  DACs  all  behave  like  this. 

In  single  supply  applications  CMOS  DACs  are  operated 
in  what  is  known  as  the  voltage-switching  mode.  Figure 
1  shows  an  AD7545A,  a  12-bit  CMOS  DAC,  configured 
for  such  operation.  Reference  voltage  V,  is  applied  to 
the  OUT1  terminal,  reference  voltage  V2  is  applied  to  the 
AGND  terminal,  and  the  output  voltage  is  available  at 
the  VREF  terminal.  No  signal  inversion  occurs  from  input 
to  output  hence  the  attraction  of  the  circuit  for  single- 
supply  applications.  However,  some  linearity  degrada- 
tion should  be  expected  when  using  the  AD75XX  DACs 
in  the  voltage-switching  mode.  This  is  due  to  the  imbal- 
ance of  the  drive  voltages  on  the  N-channel  switches  in 
the  R-2R  ladder.  With  increasing  voltage  levels  on  V,  & 
V2,  Integral  Linearity  or  Relative  Accuracy  degrades 
much  more  rapidly  than  Differential  Nonlinearity.  In  a 
typical  HDD  servo  loop  it  is  more  important  for  the  DAC 
driving  the  voice  coil  motor  to  be  monotonic  rather  than 
be  accurate  to  12-bits.  Appendix  1  shows  some  typical 
linearity  performance  curves  for  the  AD7243  and 
AD7545A  for  various  V1,  V2  combinations. 

R2 


5V/12V 


Vout 


DB0-DB11 


Figure  1.  Voltage-Switching  Operation  of  the  AD7454A 
with  Buffer  Amplifier 


Another  family  of  CMOS  DACs  available  from  Analog 
Devices,  the  AD72XX  family,  produce  a  positive  output 
voltage  from  a  positive  input  voltage.  Normal  operation 
of  these  DACs  is  in  fact  the  voltage-switching  mode.  The 
AD7237,  a  dual  12-bit  DAC  with  8+4  loading,  and  the 
AD7243,  a  serial  loading  12-bit  single  DAC,  are  both 
suitable  for  use  in  the  circuits  presented  here.  Note  that 
the  AD7237  and  AD7243  are  not  suitable  for  5  V  opera- 
tion. In  order  to  allow  easy  comparisons  to  be  made 
between  the  various  circuits  in  this  application  note  the 
same  V,,  V2  nomenclature  is  used  for  all  DACs.  Thus  for 
the  AD7545A,  Vn  is  applied  to  OUT1,  while  for  the 
AD7243  it  is  applied  to  REFIN. 

Voltage-Switching  Mode  Operation 

There  are  several  points  worth  noting  about  voltage- 
switching  mode  operation: 

1 .  For  the  AD75XX  DACs  the  output  signal  is  a  voltage  at 
a  constant  output  impedance  equal  to  the  ladder  im- 
pedance. The  circuit  has  no  significant  gain  error  as 
long  as  the  current  load  at  the  VREF  output  is  small, 
i.e.,  an  output  buffer  amplifier  is  needed. 

For  the  AD7237  and  AD7243  DACs  the  voltage  output 
is  already  buffered  by  an  on-board  amplifier  obviat- 
ing the  need  for  an  additional  external  amplifier. 

2.  For  the  AD75XX  DACs  the  reference  voltage  inputs  V, 
and  V2  do  not  see  constant  input  impedances  but  see 
input  impedances  which  change  with  digital  input 
code.  Hence  V,  and  V2  must  be  low  impedance 
sources.  A  somewhat  similar  situation  exists  with  the 
AD7237  and  AD7243  DACs,  although  with  these  de- 
vices the  V,  input  is  internally  buffered  by  an  op  amp 
allowing  a  high  source  impedance  for  Vv  However  V2 
must  still  be  a  low  impedance  source. 

3.  V,  must  always  be  more  positive  than  V2.  If  V,  goes 
more  than  0.3  V  negative  with  respect  to  V2,  internal 
diodes  and/or  parasitic  transistors  will  turn  on  leading 
to  heavy  current  flow  and  possible  device  destruc- 
tion. System  power-on  and  power-off  are  the  most 
obvious  occasions  when  this  reversal  can  take  place, 
and  these  events  should  be  carefully  characterized. 
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the  AD7545A  and  AD7548,  single  12-bit  DACs,  and 
AD7537,  AD7547  &  AD7549,  dual  12-bit  DACs. 

6.  In  the  output  voltage  expressions  for  Figures  2  to  5,  D 
represents  the  fractional  equivalent  of  the  DAC  digital 
input  code  in  decimal.  For  a  12-bit  DAC,  D  can  vary 


from  0  to  4095/4096,  i.e.,  D  can  almost,  but  never 


quite,  equal  unity.  However,  in  order  to  allow  easy 
comparisons  between  the  different  circuits  the  output 
voltage  expression  for  each  circuit  is  evaluated  with 
D  =  0,  D  =  1/2  and  D  =  1.  It  should  be  remembered 
that  the  output  voltage  expressions  evaluated  with 
D  =  1  are  in  fact  1  LSB  higher  than  is  theoretically 
possible. 

Figure  2  shows  the  classic  voltage-switching  mode  cir- 
cuit with  a  CMOS  multiplying  DAC  and  two  reference 
voltage  sources  V,  and  V2.  When  V2  =  0  V  the  output 
voltage  ranges  from  0  V  when  D  =  0  to  (1+R2/RDV, 
when  D  =  1.  An  obvious  problem  with  having  0  V  as  one 
end  of  the  output  signal  range  in  a  single  supply  system 
is  that,  although  the  DAC  output  will  get  to  0  V,  the 
single-supply  op  amp  output  almost  certainly  will  not, 
especially  if  it  is  required  to  sink  any  appreciable  load 
current.  By  applying  a  second  reference  voltage  V2  to 
the  AGND  pin  the  all  0s  code  output  voltage  can  be 
raised  above  0  V.  For  5  V  systems  V2  must  be  kept  quite 
small  (s0.5  V)  since  it  reduces  the  drive  on  the  DAC 
switches  directly  (VDD  -  V2)  and  generally  increases  the 
onset  of  linearity  errors  for  a  fixed  value  of  V,.  For  12  V 
systems  V2  can  be  increased  to  3  or  AM,  although  for 
Figure  2  this  is  unlikely  to  be  the  case  since  V2  is  multi- 
plied by  the  gain  factor  (1+R2/R1)  to  produce  the  all  Os 
end  of  the  output  signal  range.  This  limits  the  usefulness 
of  the  circuit  to  applications  where  either  V2  is  small  or 
the  required  output  signal  range  is  small,  i.e.,  a  small 
gain  factor.  Note  also  that  two  low-output  impedance 
voltage  sources  are  required  if  the  DACs  are  from  the 
AD75XX  family.  With  the  AD7237  and  AD7243  DACs,  V, 
is  buffered  by  on-chip  buffer  amplifiers  obviating  the 
low  source  impedance  requirement  on  Vv 


=jCircy^  nf  Finure  ?  the  putDUt  vnltane  is  niven  as: 

Vout  =  V2  (1+R2/R1)  +  (V1-V2)(1+R2/R1)(1/2). 
When  D  =  1, 

Vqut  =  V2  (1  +R2/R1  )  +  (Vn -V2)(1  +R2/R1 ) 
=  V,  (1+R2/R1) 

Supplying  two  reference  voltages,  V,  and  V2,  to  the 
circuit  of  Figure  2  is  not  the  only  method  of  moving  the 
all  0s  code  output  voltage  above  0  V.  Relevant  only  to 
the  AD75XX  family,  Figure  3  shows  the  feedback  resistor 
RFB,  found  on  these  DACs,  wired  to  its  own  VREF  output. 
This  has  the  effect  of  moving  the  all  0s  code  output 
voltage  to  (V,/2)  (1+R2/R1).  Note  that  this  is  achieved 
without  the  need  for  a  second  reference  voltage  V2.  An 
interesting  feature  of  this  circuit  is  its  voltage  doubling 
nature— the  all  1s  code  output  voltage  is  double  the  all 
0s  code  output  voltage.  Figure  3  is  suitable  for  both  5  & 
12  V  systems.  For  12  V  systems,  V,  should  be  no  more 
than  1.25  V  above  AGND  in  order  to  maintain  12-bit 
relative  accuracy.  For  5  V  systems  it  is  recommended 
that  V,  be  no  more  than  0.25  V  above  AGND. 
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*AD7545A,  AD7237  OR  AD7243 
ADDITIONAL  CIRCUITRY  OMITTED  FOR  CLARITY 

Figure  2.  Classic  Voltage-Switching  Mode  Operation 
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Figure  3.  Using  the  Feedback  Resistor  RFB  to  Implement 
a  Voltage  Doubling  Function 

For  the  circuit  of  Figure  3  the  output  voltage  is  given  by: 
Vout=  (V,/2)(1  +  R2/R1)+(V1/2)(1+R2/R1)D 
where  1  LSB  =  (V,/2)(1 +R2/R1 1(1/4096). 

When  D  =  0, 

Vout=  (Vn/2)(1+R2/R1). 

When  D  =  1/2, 

Vout=  (Vl/2)(1+R2/R1)  +  (V,/2)(1+R2/R1)(1/2). 

When  D  =  1, 

Vout  =  V1(1  +  R2/R1). 

Figure  4  is  a  variation  on  Figure  2  and  provides  an  all  0s 
code  output  voltage  equal  to  V2  and  not  V2(1+R2/R1) 
which  Figure  2  provides.  Hence,  by  appropriate  choice  of 
the  gain  setting  resistors,  R1  &  R2,  this  circuit  is  suitable 
for  producing  wide  output  voltage  ranges.  The  circuit 
requires  two  low  output  impedance  voltage  sources  and 
is  suitable  for  both  5  and  12  V  systems. 
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Figure  4.  Avoiding  Any  Gain  Factor  Multiplication  of  V2 

For  the  circuit  of  Figure  4  the  output  voltage  is  given  by: 
Vout=  V2  +  (V1-V2)(1+R2/R1)D 
where  1  LSB  =  (V,-V2)(1+R2/R1  ((1/4096). 

When  D  =  0, 

VOUT=  V2. 
When  D  =  1/2, 

Vout  =  V2  +  (V,-  V2)(1  +  R2/R1H1/2). 

When  D  =  1, 

Vout  =  V2  +  (V,  -V2)(1  +R2/R1). 

Figure  5  is  a  particular  implementation  of  Figure  4  using 
an  AD7243.  This  is  a  serial  input,  voltage-output  12-bit 
DAC  which  includes  the  output  buffer  amplifier  A1  and 
matched,  equal  value,  gain  setting  resistors.  It  is  speci- 
fied to  operate  from  12  V  to  15  V  VDD.  For  12-bit  perfor- 
mance V,  should  be  between  1.25  V  and  3  V  above  V2. 
With  the  equal  value  gain  resistors  giving  a  gain  factor 
of  2,  the  output  voltage  range  of  this  circuit  is  2(V,  -  V2) 
with  one  end  of  this  voltage  range  being  anchored  at  V2 
when  D  =  0.  Input  voltage  V„  which  is  applied  to  the 
REFIN  input  of  the  AD7243,  is  buffered  by  an  on-chip 
buffer  amplifier.  This  means  that  V,  can  be  generated  by 
a  resistive  divider  from  some  higher  voltage  and  does 
not  need  to  be  a  low  impedance  source.  Dependent 
upon  the  value  of  load  resistance  to  ground,  the  output 
op  amp  in  the  AD7243  can  experience  headroom  prob- 
lems if  the  output  voltage  is  required  to  swing  within 
several  volts  of  the  VDD  line.  With  VDD  =  12  V  ±  10%and 
a  load  of  2  kfi  to  ground  headroom  problems,  causing 
signal  limiting,  can  occur  above  an  8  V  output  signal. 
Increasing  the  value  of  load  resistance  defers  the  onset 
of  headroom  problems. 
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Figure  5.  Voltage-Switching  Operation  with  the  AD7243 

For  the  circuit  of  Figure  5  the  output  voltage  is  given  by: 

Vqut  =  2.7  +  (2.3)2D 

where  1  LSB  =  4.6/4096  =  1.1  mV. 
When  D  =  0, 

VOUT  =  2.7V. 
When  D  =  1/2, 

VOUT  =  5V. 
When  D  =  1, 

Vqut  =  7.3  V. 

Another  feature  of  the  circuit  (in  common  with  Figure  4) 
is  that  the  output  voltage  at  the  half-scale  code,  i.e., 
D  =  1/2,  is  equal  to  V,  and  will  follow  V,  as  Vn  changes. 
Thus  V,  behaves  as  a  quasi-ground  and  can  be  used  by 
the  signal  conditioning  circuitry  to  refer  the  analog  out- 
put signal  to  a  point  other  than  0  V.  This  is  more  obvious 
if  the  output  voltage  expression  for  Figure  5  is  rewritten 
as  shown 

Vout  =  V,  +  (V,-V2).(2D-1) 
=  5V  +  (2.3).(2D-1). 

Appendix  1 

Figures  A1-A4  show  typical  linearity  plots  of  the  AD7243 
while  Figures  A5-A9  show  linearity  plots  for  the 
AD7545A. 
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Figure  At.  AD7243  Linearity  Error,  V2  =  0  V 
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Figure  A2.  AD7243  Linearity  Error,  V2  =  2  V 


S  1.0 

f  0.8 
S  0.4 


vDd 

=  10.8V 

25X 

3V 

Ta  = 

_V2  = 

INL 

DNL 

4.5 

V|  -  Volts 


Figure  A3.  AD7243  Linearity  Error,  V2  =  3V 
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Figure  A4.  AD7243  Linearity  Error,  V2  =  4  V 
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Figure  A5.  AD7545A  Linearity  Error,  VDD  =  4.75  V, 
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Figure  A6.  AD7545A  Linearity  Error,  VDD  =  4.75  V, 
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Figure  A7.  AD7545A  Linearity  Error,  VDD  =  10.8  V, 
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Figure  A8.  AD7545A  Linearity  Error,  VOD  =  10.8  V, 
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Single  Supply  12-Bit  DAC  Circuits  Using  the  AD7568 

by  John  Wynne 


This  application  note  suggests  a  number  of  different 
circuit  configurations  in  which  a  CMOS  D/A  converter 
can  be  used  to  generate  a  variety  of  popular  output 
voltage  ranges.  All  of  the  circuits  work  off  of  positive 
supplies  only  and  feature  the  AD7568,  an  octal  12-bit 
current-out  CMOS  DAC.  Figures  1-4  show  the  DACs  be- 
ing operated  in  their  current-steering  mode,  while  Fig- 
ures 5-7  show  operation  in  the  voltage-switching  mode. 
A  previous  application  note,  AN-225,  covered  the  issues 
involved  in  using  current-out  DACs  in  the  voltage- 
switching  mode,  and  the  reader  is  referred  to  this  for 
additional  information. 

In  the  output  voltage  expressions  for  Figures  1  to  7,  the 
term  D  represents  the  fractional  equivalent  of  the  DAC 
digital  input  code  in  decimal,  N.  For  a  12-bit  DAC,  D  = 
N/4095  and  can  vary  from  0  to  4095/4096,  i.e.,  D  can 
almost,  but  never  quite,  equal  unity.  However,  in  order 
to  allow  easy  comparisons  between  the  different  cir- 
cuits, D  is  assumed  to  range  from  0  to  1.  It  should  be 
remembered  that  the  output  voltage  expressions  evalu- 
ated with  D  =  1  are  in  fact  1  LSB  higher  than  is  theoret- 
ically possible. 

Although  the  AD7568  is  a  +5  V  only  device  and  is  spec- 
ified in  the  normal  current-steering  mode  with  the  I0uti 
and 

'out2  outputs  at  0  V,  the  DACs  still  work  well  with 
their  current  outputs  biased  above  0  V.  For  instance  with 
Iouti  and  lOUT2  raised  above  ground  by  up  to  1.23  V,  a 
typical  bandgap  value,  the  DACs  remain  monotonic  to 
12  bits. 

In  the  voltage  switching  mode  configuratio  n  Iouti  can 
be  raised  above  I0ut2  dv  uP  t0  1-23  V  and  12-bit  DAC 
monotonicity  is  still  assured.  This  performance  is  main- 
tained even  if  the  I0ut2  output  is  itself  at  1.23  V  above 
ground. 

Appendix  1  shows  some  typical  linearity  performance 
curves  for  the  AD7568  under  various  biasing  conditions. 

Current-Steering  Mode 

Figure  1  shows  the  simplest  circuit  in  this  mode.  The 
DAC  reference  input,  VREF,  is  shown  tied  to  0  V,  but  it  can 


be  biased  to  any  positive  voltage  up  to  twice  the  value  of 
V1  to  change  the  full  scale  output  voltage. 
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Figure  1.  Simple  Current  Steering  Mode  Circuit 
For  the  circuit  of  Figure  1,  the  output  voltage  is  given  by: 

Vout  =  V\  (1  +D) 

For  example,  if  V,  =  1.23  V,  the  output  voltage  goes 
from  1.23  V  at  D  =  0  to  2.46  V  at  D  =  1.  This  circuit  is 
very  limited  in  its  output  voltage  range,  and  conse- 
quently gain  is  generally  added  around  the  op  amp  to 
extend  the  performance.  A  circuit  to  multiply  the  output 
voltage  range  by  some  gain  factor  is  shown  in  Figure  2. 


DB0-DB11    DGND  AGND 


R1  =  ^l       GAlN  =  UR2/R3 


Figure  2.  Adding  Gain  to  Circuit  of  Figure  1 

Using  three  external  resistors  is  the  recommended  way 
(Reference  1)  of  adding  gain  to  the  standard  configura- 
tion without  requiring  a  large  gain  adjustment  range  or 
compromising  the  circuit's  temperature  coefficient.  The 
resistors  R1,  R2  and  R3  should  all  have  similar  tempera- 
ture coefficients,  but  they  need  not  match  the  tempera- 
ture coefficient  of  the  DAC. 
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For  the  circuit  of  Figure  2,  the  output  voltage  is  given  by: 

Vout  =  VW  +  D)H  +  R2/R3I 
Similar  to  the  circuit  of  Figure  V,  the  interesting  feature 
of  this  circuit  is  its  voltage  doubling  nature  regardless  of 
the  gain  factor— the  all  1s  code  output  voltage  is  double 
the  all  Os  code  output  voltage.  For  instance,  with 
V,  =  1.23  V  and  R2  =  R3  (Gain  Factor  =  2),  the  output 
voltage  varies  from  2.46  V  at  D  =  0  to  4.92  V  at  D  =  1 . 
However  simple  voltage  doubling  may  not  be  to  every- 
one's requirement.  If  R3  in  Figure  2  is  returned  to  V, 
instead  of  0  V,  then  the  all  Os  code  output  voltage  avoids 
being  multiplied  by  the  added  gain  factor  and  is  simply 
V,.  Figure  3  shows  this  configuration. 
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Figure  3.  Avoiding  Gain  Factor  Multiplication  o 
Code  Output  Voltage 

For  the  circuit  of  Figure  3,  the  output  voltage  is  given  by: 

Vout  =  Vi  +  V,  ■  D  (1  +  R2/R3) 
In  this  instance,  with  Vn  =  1.23  V  and  R2  =  2R3  (Gain 
Factor  =  3),  the  output  voltage  range  is  from  1.23  V  at 
the  all  Os  code  to  4.92  V  at  the  all  1s  code. 
The  facility  to  apply  a  second  voltage  to  the  VREF  input 
of  the  DAC  allows  the  output  voltage  range  to  be  closely 
tailored  to  requirements.  As  an  example.  Figure  4  gen- 
erates an  output  voltage  of  2.5  V  to  7.5  V,  i.e., 
5  V  ±  2.5  V. 
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Figure  4.  Circuit  to  Generate  5  V  ±  2.5  V  Output 

For  the  circuit  of  Figure  4,  the  output  voltage  is  given  by: 

Vout  =  V,  (1  +  R2/R3)  +  [V,  -  V2)  0(1  +  R2/R3) 

The  gain  factor  is  chosen  to  produce  the  high-side  7.5  V 
output  with  V,  again  equal  to  1.23  V.  This  value  is  then 
used  in  the  above  expression  to  solve  for  V2  when  the 
output  voltage  is  at  its  low-side  value  of  2.5  V.  A  feature 
of  this  particular  circuit  is  that  V2  is  greater  than  Vv  and 
hence  the  output  voltage  vs.  code  transfer  function  is 


inverted,  i.e.,  all  Os  code  produces  7.5  V  output;  all  1s 
code  produces  2.5  V  output. 


Voltage-Switching  I 

Figure  5  is  discussed  in  the  previously  mentioned  AN- 
225  but  is  reproduced  here  to  show  the  suitability  of  the 
AD7568  in  voltage-switching  mode  applications  for 
5  V-only  systems. 
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Figure  5.  Voltage-Switching  Mode  Operation 

For  the  circuit  of  Figure  5,  the  output  voltage  is  given  by: 

Vout  =  V2  +  (V,  -  V2)  (1  +  R2/R1 )  D 

If  R1  =  R2  and  the  voltage  sources  are  two  bandgaps 
where  the  V,  bandgap  is  with  respect  to  V2,  i.e.,  V,  is 
2.46  V  above  ground,  the  output  voltage  over  the  code 
range  is  as  follows: 

When  D  =  0, 

VOUT=  1.23V 
When  D  =  1/2, 

Vout  =  2.46  V 

When  D  =  1, 

VOUT  =  3.69  V 

The  output  voltage  is  of  the  form  2.46  V  ±  1 .23  V.  In  this 
circuit  the  output  voltage  swings  1.23  V  up  and  down 
around  an  effective  bias  point  of  2.46  V.  This  type  of 
output  is  commonly  termed  a  VB,ASA/SWIN<3  output  and 
is  very  popular  in  the  hard  disk  and  optical  disk  drive 
industry.  Using  bandgaps  for  V,  and  V2,  the  minimum 
output  voltage  of  Figure  5  is  1.23  V.  If  it  is  important  to 
have  0  V  as  the  minimum  output  voltage,  this  can  be 
easily  achieved  by  returning  R1  in  Figure  5  not  to  I0UT2A, 
but  to  IoutA  In  addition  R1  must  be  made  equal  to  R2. 
The  output  voltage  expression  for  this  configuration  is: 

vout 


VOUT=  V2  +  (V,  -V2)(2D-  1) 


This  is  of  the  form  1.23  V  ±  1.23  V,  i.e.,  now  when 
D  =  1/2,  VOUT  =  1.23  V  and  not  2.46  V. 

Figure  5  can  also  be  rearranged  to  generate  a  VB,AS  level 
higher  than  either  1.23  V  or  2.46  V  by  tying  the  DAC 
feedback  resistor  to  VREFA  instead  of  I0utia-  Tne  output 
voltage  expression  under  these  conditions  is  given  by; 

Vout  =  V2  +  (1/2)(V,  -  V2)(1  +  R2/R1)(1  +  D) 
If  R2  =  3R1,  the  above  expression  simplifies  to; 

V0ut=  1-23  V+  2.46(1  +  D) 
This  is  of  the  form  4.92  V  ±  1 .23  V. 
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This  highlights  the  fact  that  although  the  DAC  itself  is 
limited  to  a  5  V  power  supply,  it  can  control  output 
voltages  higher  than  this. 

Programmable  VBIAS  Level 

Some  applications  require  a  variable  VB,AS  level  and  a 
constant  VSW,NG  level.  For  the  circuit  of  Figure  6  the 
output  voltage  is  given  by; 

Vout  =  V2  (1  +  DB)(1  +  R2/RM  -  V,(2DA  -  1  )(R2/R1 ) 

With  R1  =  R2  the  output  voltage  simplifies  to: 

Vout  =  2V2(1  +  DB)  -  V,\2DA  -  1) 

where  DA  and  DB  are  fractional  representations  of  the 
digital  codes  to  DACs  A  and  B  respectively.  When 
V,  =  V2  =  1.23  V,  the  output  voltage  swings  1.23  V  (de- 
termined by  DA)  around  a  bias  level  which  is  program- 
mable (via  DB)  from  2.46  V  to  4.92  V.  Note  that  there  is  a 
code  inversion  effect  in  this  circuit  also.  For  a  given 
Vbias  'eve'  tne  output  voltage  is  at  its  minimum  with  all 
1s  in  DAC  A  and  vice  versa. 

Using  bandgaps  for  V,  and  V2,  the  minimum  output 
voltage  of  Figure  6  is  1.23  V.  If  0  V  is  the  minimum 
output  voltage  required,  this  can  be  easily  achieved  by 
tying  the  DAC  B  feedback  resistor,  RFBB,  to  VREFB.  This 
has  the  effect  of  halving  the  voltage  at  the  noninverting 
input  of  A2.  The  output  voltage  now  swings  ±1.23  V 
(determined 


by  DA)  around  a  bias  level  which  is  programmable  (via 
DB)  from  1.23  V  to  2.46  V. 

Also  note  in  Figure  6  that  if  DAC  B  is  removed  and  V2  is 
applied  directly  to  the  noninverting  input  of  A2,  the  out- 
put voltage  will  be  of  the  form  2.46  V  ±  1.23  V.  In  com- 
parison with  Figure  5  which  has  a  similar  output  voltage 
signal  this  configuration  requires  one  more  op  amp  and 
two  matched  resistors  but  only  one  bandgap  reference 
(V,  =  V2). 

Programmable  Full-Scale  Level 

Another  common  requirement  is  for  a  circuit  which  can 
have  programmable  full-scale  VSW,NG  levels  while  re- 
taining the  same  VB,AS  value.  Such  a  circuit  is  shown  in 
Figure  7. 

With  R1  =  R2  the  output  voltage  for  Figure  7  is  given  by: 

Vout=  V2  +  DA(V,  -  V2)(2D„  -  1) 

When  V,  =  V2  =  1.23  V  and  the  V,  bandgap  is  with  re- 
spect to  V2,  i.e.,  V,  is  2.46  V  above  ground,  the  output 
voltage  swings  ±1.23  V  maximum  around  a  bias  level  of 
1.23  V.  The  full-scale  VSWING  voltage  is  set  by  DA  to  be 
between  1.23  V  and  0  V  theoretically. 

REFERENCES 

1.  Brokaw  P.,  "Input  Resistor  Stabilizes  MDACs  Gain," 
EDN,  January  7,  1981,  pp.  210-211. 


•ADDITIONAL  CIRCUITRY  OMITTED  FOR  CLARITY 

Figure  6.  Programmable  VBIAS  Level 
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Figure  7.  Programmable  Full-Scale  VsmlNG  Level 
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Appendix  1 

Figures  A1-A6  show  typical  linearity  plots  of  the  AD7568 
tested  in  both  the  Figure  1  and  Figure  5  configurations  of 
this  application  note.  The  plots  of  Figures  A1-A2  were 
generated  using  the  Figure  1  circuit  and  use  the  same 
DAC  channel  within  the  AD7568  to  show  temperature 
effects  on  the  linearity  performance.  The  plots  of  Figures 
A3-A4  were  generated  using  the  Figure  5  circuit  and 
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Figure  A1.  Current-Steering  Mode  Linearity  with 


V,  =  1.23  V  and  TA  =  +25°C 
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Figure  A2.  Current-Steering  Mode  Linearity  with 
V,  =  1.23  V  and  TA  =  +85°C 


again  the  same  DAC  channel  within  the  AD7568  is  used 
to  show  temperature  effects  on  the  linearity  perfor- 
mance. Similarly  for  Figures  A5-A6,  the  same  channel  is 
recorded.  For  every  plot  the  DAC  VDD  is  +4.75  V  and 
1  LSB  =  300  microvolts.  The  worst  case  conditions,  in 
linearity  terms,  occur  at  low  power  supplies  and  high 
temperatures. 
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Figure  A4.  Voltage-Switching  Mode  Linearity  with 
V,  =  7.23  V,V2  =  0V  and  TA  =  +85X 
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Figure  AS.  Voltage-Switching  Mode  Linearity  with 
V,  =  7.23  V,  V2  =  1.23  V  and  TA  =  +25°C 
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Figure  A3.  Voltage-Switching  Mode  Linearity  with 
V,  =  1.23  V,  V2  =  0VandTA  =  +25°C 
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Figure  A6.  Voltage-Switching  Mode  Linearity  with 
V,  =  7.23  V,  V2  =  1.23  V  and  TA  =  +85°C 
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□ ANALOG  AN-314 
DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


14-Bit  DACs  Maintain  High  Performance 
Over  Extended  Temperature  Range 

by  Mike  Curtin  and  Robert  Stakelum 


INTRODUCTION 

As  circuit  designers  look  for  higher  performance  d/a  con- 
verters in  instrumentation  and  control  applications,  the 
AD7534/AD7535  14-bit  DACs  from  Analog  Devices  offer 
the  unique  combination  of  low  power  consumption  and 
high  performance  over  the  full  temperature  range.  What 
makes  this  possible  is  a  proprietary  low  leakage  config- 
uration which  keeps  output  leakage  current  very  low  even 
at  high  temperatures.  Consequently,  linearity  error  and 
gain  error  are  much  less  susceptible  to  temperature  drift. 
This  application  note  shows  that  the  devices  work  very 
well  even  when  operated  above  their  specified  tempera- 
ture range.  Test  results  are  given  for  devices  at  200°C.  To 
show  that  reliable  operation  is  maintained  at  this  high 
temperature  a  1000  hour  life  test  was  carried  out  at  200°C. 
Results  of  this  life  test  and  a  failure  analysis  are  presented. 
Though  the  200°C  results  are  impressive.  Analog  Devices 
does  not  guarantee  performance  outside  the  specified 
temperature  range.  However,  the  results  give  an  indica- 
tion of  the  exceptional  reliability  of  the  devices  in  the 
range  up  to  125°C  and  also  show  the  consistency  of  im- 
portant specifications  up  to  1 25°C  and  beyond. 


N.C.  V„, 
-0)  & 


Vrefs  Q-f- 
Vreff  0— I 


14-BIT  DAC 

Figure  1.  AD7534  Block  Diagram 


DB0     DGND  Vss 


Figure  2.  AD7535  Block  Diagram 

LOW  LEAKAGE  CONFIGURATION  IN  AD7534/AD7535 

Leakage  current  in  CMOS  DACs  has  two  components: 

1.  Leakage  from  the  VDD  supply  to  the  I0ut  terminal.  This 
is  independent  of  input  code. 

2.  Leakage  from  the  R-2R  ladder  through  off-switches. 
This  is  a  maximum  for  all  zeros  at  the  input  and  is  a 
minimum  with  all  ones  at  the  input,  i.e.,  all  switches  on. 

To  eliminate  this  leakage  current  flowing  into  the  lourline, 
the  AD7534/AD7535  uses  a  novel  configuration  (patent 
pending).  By  holding  the  Vss  pin  at  —0.3V  through  a  sim- 
ple resistor  divider  (see  Figure  3),  the  leakage  current  is 
virtually  eliminated.  This  means  that  any  leakage  current 
effects  on  linearity  and  gain  error  (usually  significant 
above  100°C)  are  also  eliminated. 

If  Vss  is  held  at  0V  instead  of  -  0.3V,  the  device  will  exhibit 
all  the  normal  specifications  degradation  due  to  leakage. 
Figure  4  is  a  typical  linearity  plot  of  a  device  at  125°C, 
showing  the  effect  of  Vss  on  end-point  linearity. 
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Figure  3.  Unipolar  Binary  Operation  of  the  AD7534 


Figure  4.  Effect  of  Vss  on  Ad7534/AD7535  Linearity  at 
125°C 


OPERATION  AT  VERY  HIGH  TEMPERATURES 

With  its  excellent  performance  up  to  125T,  and  its  special 
low  leakage  configuration,  the  AD7534/AD7535  should  be 
considered  for  very  high  temperature  operation  (i.e.,  in 
the  200°C  region).  Before  looking  at  the  performance  level 
at  such  a  high  temperature,  it  has  to  be  realized  that  sev- 
eral factors  will  influence  the  device  reliability. 

1.  Chemical  interaction  on  the  surface  of  the  die  can  be 
a  hazard  at  high  temperatures.  This  can  result  in  wire 
bond  strength  degradation.  To  ensure  that  this  degra- 
dation did  not  occur  with  the  AD7534/AD7535,  a  wire 
bond  pull  strength  test  was  conducted  after  the  high 
temperature  life  testing. 

2.  The  aging  rate  of  a  device  approximately  doubles  for 
every  10°C  rise  in  Tj  (junction  temperature).  The  fact 
that  the  AD7534/AD7535  DACs  are  in  CMOS  is  a  major 
advantage  in  this  respect.  Table  I  is  a  comparison  of  the 
AD7534/AD7535  with  a  typical  bipolar  DAC,  which  has 
a  much  higher  power  consumption.  At  200°C,  Tjforthe 
bipolar  DAC  exceeds  that  for  the  AD7534/AD7535  by 
20°C.  Thus,  its  life  expectancy  is  considerably  less. 

In  order  to  establish  a  good  confidence  level  for  200°C  op- 
eration, 7  devices  were  tested  at  the  elevated  tempera- 
ture. Figures  5to  8  are  a  record  of  these  results. 

The  graph  of  Figure  5  shows  how  leakage  current  in- 
creases dramatically  above  100°C  with  VSs  =  0.  When 


Vss=  -300mV,  there  is  a  significant  improvement,  with 
leakage  at  200°C  limited  to  1 0nA.  The  effects  of  leakage  on 
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Figure  5.  Leakage 
AD7535 


re  for 


DEVICE 

AD7534 

AD7535 

TYPICAL  BIPOLAR  DAC 

Package 

eis 

P  (Typical  Power  Consumption) 
Tj(TA  +  eja-P) 

20-Pin  Side  Braze 
80°C/W 
47.5mW 
203.8°C 

28-Pin  Side  Braze 
60°C/W 
47.5mW 
202.8°C 

24-Pin  Side  Braze 

65°C/W 

350mW 

222.7°C 

Table  I.  Comparison  of  Junction  Temperatures  for  TA  (Ambient  Temperature)  of200'C 
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linearity  error  and  gain  error  are  reflected  in  Figures  6  and 
7.  Without  the  low  leakage  configuration  (Vss  =  0)  the 
magnitude  of  the  linearity  and  gain  errors  make  the  parts 
unusable.  By  using  the  low  leakage  facility,  typical  linear- 
ity error  is  less  than  1LSB  and  typical  gain  error  is  less 
than2LSBs. 


TEMPERATURE  =  25°C 

MAX  +VE  =    0.583  6  11010111000000 

MAX  -VE= -0.342  @  11111111110000 


LINEARITY  100 
ERROR 

ILSRsI  50 


10         20        30        40         50         60  70 
TIME  -  HOURS 

Figure  6.  Linearity  at  200°C 

The  stability  of  the  devices  over  65  hours  of  continuous 
operation  is  impressive.  Linearity  drift  during  this  time  is 
±0.1LSBs  while  gain  error  drift  is  ±0.3LSBs.  Linearity 
stability  with  temperature  is  shown  in  Figure  8.  This  is  a 
typical  all-codes  linearity  plot  for  the  AD7534/AD7535  at 
two  temperatures;  25°C  and  200°C.  Linearity  error  is  well 
within  1 LSB  over  the  extended  temperature  range. 
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Figure  7.  Gain  Error  at  200°C 
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Figure  8.  All-Codes  Linearity  Plot  for  the  Same  Unit 
(AD7534)  at  25°C  (Top)  and  200°C  (Bottom) 

LIFE  TEST 

The  initial  operation  and  testing  of  seven  devices  at  200°C 
for  65  hours  gives  a  good  indication  of  device  functional 
performance.  However,  at  this  high  temperature,  the  de- 
vices age  much  faster  and  may  exhibit  some  temperature- 
related  failure.  To  examine  the  reliability  of  the  AD7534/ 


Figure  ft  AD7S34/35 200°C  Burn-In  Diagram 
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AD7535  at  200°C,  a  sample  of  the  devices  was  subjected 
to  a  200°C,  1000-hour  life  test.  This  sample  contained  de- 
vices taken  from  2  separate  production  lots  for  each 
model.  The  life  test  required  a  special  high  temperature 
burn-in  board,  made  from  a  glass  polymide  material.  The 
resistors,  sockets  and  solder  used  on  the  board  had  to  be 
capable  of  withstanding  200°C.  The  life  test  was  con- 
ducted with  the  devices  powered  up  and  voltage  levels 
applied  as  in  Figure  9. 

There  was  a  parallel  life  test  carried  out  at  125°C  to  corre- 
late failures.  Parts  from  the  same  production  lots  were 
used  in  both  tests.  If  a  lot-related  failure  occurred  at  200°C, 
it  could  be  verified  in  the  125°C  life  test. 


device  being  misapplied  during  testing,  causing  the  bond 
wire  at  the  AGNDS  pin  to  be  blown  open  and  rendering 
the  part  unusable.  The  other  device  was  a  linearity  failure. 


Time(Hrs) 

0 

72 

333 

500 

732 

1000 

Linearity 
Err.(LSBs) 

1.82 

1.82 

1.87 

1.87 

1.89 

2.04 

Specification 
Limit 

2LSBs 

Table  III.  AD7534  Which  Failed  after  1000 Hours 


T  =  125°C 

T= 

200°C 

AD7534 

AD7535 

AD7534 

AD7535 

Initial  Sample 

30 

29 

28 

24 

After  72  hrs 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

30 

0 

29 

0 

28 

0 

24 

0 

After  142  hrs 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

30 

0 

29 

0 

28 

0 

24 

0 

After  333  hrs 

Pass 



Fail 

Pass 

Fail 

28 

0 

22 

2 

After  500  hrs 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

30 

0 

28 

1 

28 

0 

22 

0 

After  732  hrs 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

30 

0 

28 

0 

28 

0 

21 

1 

After  1000  hrs 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

Pass 

Fail 

30 

0 

28 

0 

27 

1 

21 

0 

Table  II.  Life  Test  Results 


Table  II  shows  the  complete  life  test  results.  From  an  in- 
itial sample  of  28,  one  AD7534  failed  between  732  and 
1000  hours  at  200°C.  The  AD7535  failure  rate  was  higher 
with  three  failures  from  an  initial  sample  of  24.  At  125°C, 
the  AD7535  failure  rate  was  one  as  opposed  to  none  for 
theAD7534's. 

FAILURE  ANALYSIS 

Table  II  shows  that  there  were  no  AD7534  failures  at 
125°C.  There  was  one  AD7535  failure  after  500  hours, 
which  was  due  to  an  isolated  masking  defect  on  an 
aluminium  line  contacting  to  a  current  steering  switch  in 
the  DAC  ladder. 

At  200°C,  there  was  one  AD7534  life  test  failure.  This  was 
caused  by  marginal  drift  outside  its  linearity  specification. 
Table  III  charts  this  drift  through  life  test.  The  total  change 
of  0.22LSB  over  the  1000-hour  life  test  is  not  significant. 
There  were  3  AD7535  failures  at  200°C.  Two  occurred  after 
333  hours  of  life  test.  One  of  these  was  as  a  result  of  the 


Probing  revealed  that  the  fault  was  in  the  DAC  MSB  latch 
cell.  Both  the  MSB  switches  and  the  decoder  were  func- 
tional. Further  failure  analysis  was  inconclusive.  There 
was  a  further  AD7535  failure  after  730  hours.  This  was  due 
to  a  gate  oxide  rupture  on  an  N-channel  current  steering 
switch.  The  nature  of  the  200°C  life  test  failures  suggests 
that  there  was  no  special  temperature  related  failure 
mechanism.  They  are  random  failures  of  the  kind  nor- 
mally seen  in  125°C  life  tests. 

Of  further  interest  is  the  way  in  which  certain  critical 
specifications  drift  through  the  life  test.  Table  IV  shows 
four  of  these  specifications  Odd  at  logic  level  inputs  of  0.8V 
and  2.4V,  Linearity  Error  and  Gain  Error).  The  average,  X, 
and  standard  deviation,  cr,  of  each  sample  is  given  at  three 
stages  of  life  test  (0, 500  and  1 ,000  hours). 

Not  only  that,  but  it  is  also  possible  to  compare  at  a  glance 
the  drift  at  1 25°C  and  200°C.  The  figures  show  that  the  de- 
vice specifications  examined  are  very  consistent  through 
both  the  1 25°C  and  200°C  tests. 
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126X 
200°C 

0 

HRS 

0.21      0.071  3 

OBI       0.241  3 

0.10          0.68  2 

-1.26        2.2  8 

0.31       0.12  4 

1.6        0.6  4 

0.23       0.49  2 

0.8        1.3  6 

500 
HRS 

0.2O      0.03  3 

0.81       0.243  3 

-0.04       0.69  2 

-1.0          2.2  8 

0.29      0.095  4 

1.6        0.67  4 

0.19       0.49  2 

1.13       1.36  8 

1000 
HRS 

0.20      0.02  3 

0.84      0.28  3 

-0.09       0.71  2 

-1.0         2.1  8 

0.32      0.13  4 

1.4        0.8  4 

0.15      0.51  2 

0.99       1.39  8 

0 

HRS 

0.20      0.02S  3 

0.91       0.228  3 

-0.16       0.35  2 

-1.8         2.7  8 

0.24      0.046  4 

1.5        0.54  4 

0.16      0.437  2 

0.70       1.5  8 

500 
HRS 

0.20      0.026  3 

0.91       0.231  3 

-0.10       0-86  2 

-1.8         2.8  8 

0.24       0.038  4 

1.6         O.S7  4 

0.23      0.41  2 

0.75       1.6  8 

1000 
HRS 

0.21       0.035  3 

0.92      0.22  3 

0.15          0.90  2 

-1.8        2.8  8 

0.24       0.037  4 

1.6         0.57  4 

0.19      0.37  2 

0.98       1.7  8 

Table  IV.  AD7534  and  AD7S3S  Drift  through  Life  Test 


WIRE  BOND  STRENGTH 

To  confirm  that  there  was  no  bond  strength  degradation 
during  the  200°C  life  test,  a  pull  strength  test  was  perform- 
ed on  54  of  the  wire  bonds  after  the  1000-hour  life  test. 
Table  V  compares  the  pull  strengths  obtained  after  the 
1 000-hour,  200°C  life  test  with  those  obtained  after  a  stan- 
dard 1000-hour,  125°C  life  test.  As  can  be  seen,  there  is  no 
substantial  difference  between  both  sets  of  figures.  In 
fact,  in  this  particular  case,  the  200°C  figures  are  better 
than  those  for  125°C,  and  confirm  that  no  bond  strength 
degradation  took  place. 


CONCLUSIONS 

The  AD7534  and  AD7535  offer  excellent  high  temperature 
performance.  This  is  due  to  the  novel  low  leakage  config- 
uration which  minimizes  leakage  current.  The  200°C  oper- 
ation of  the  devices  demonstrates  clearly  how  effective 
the  configuration  is.  In  addition,  the  life  test  data  at  200'C 
shows  that  there  is  no  apparent  extra  failure  mechanism. 
The  experimental  results  (both  functional  and  life  test) 
should  be  taken  as  a  measure  of  exceptional  device  per- 
formance and  reliability  over  the  specified  temperature 
range  ( -  55°Cto  +  125°C). 


Pull  Strength  after  1000  hours  (grams) 

125°C 

200°C 

X 

a 

X 

a 

8.1 

0.79 

8.9 

0.63 

Table  V.  Wire  Bond  Strength  Comparison 
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ANALOG  AB-3 
DEVICES  APPLICATION  BRIEF 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Digital  Nulling  of  Precision  Op  Amps 


FEATURES 

•  Digitally-controlled  offset  nulling  is  achieved  by  imbal- 
ancing  the  first  stage  collector  currents  of  a  precision 
op  amp. 

•  Greater  than  1 .5mV  of  offset  voltage  may  be  nulled  to  zero 
with  5>iV  resolution  at  25°  C. 

•  This  application  is  especially  useful  in  microprocessor- 
controlled  systems  where  stringent  error  budgets  exist. 

•  Circuit  uses  the  nulling  terminals  with  a  DAC-08  substi- 
tuted for  the  conventional  nulling  potentiometer. 

GENERAL  DESCRIPTION 

The  input  offset  voltage  of  a  precision  op  amp  (OP-05,  OP-07, 
OP-77)  may  be  nulled  to  <5/iV  using  the  complementary  cur- 


rent outputs  of  a  DAC-08  to  change  the  ratio  of  collector 
currents  in  the  first  stage.  With  Vos  being  defined  as  the 
voltage  which  must  be  applied  between  the  input  terminals  to 
force  V0ut  to  zero  and  assuming  all  errors  to  be  in  the  first, 
stage,  Vos  may  be  expressed  as: 

„•>  .,  kT.  'ci  lS2 
1)  Vos  =  —  loge  7— •  7— 

q       ic2  'si 

where: 

k  =  Boltzmann's  constant  =  1.38  x  10~23  joules/"  K 
T  =  Absolute  temperature,  °  K 
q  =  Charge  of  an  electron  =  1.6  x  10~19  coulomb 
ls=  Theoretical  reverse-saturation  current 
lc=  Collector  Current 

Changing  the  ratio  Ici/lc2  over  a  ±3%  range  results  in  an 
input  offset  voltage  nulling  range  of  greater  than  1.5mV  at 

25°  C. 


CIRCUIT 


MICROPROCESSOR  BUS 


REF-01 
GND 


RREF 
43MJ2 

+10V 

'REF  * 

*  230nA 


TT 


8-BIT  LATCH 
(2  SN74175) 


H 


B1  B2  B3  B4  B5  B6  B7  B8  "V 
VREFW  io\ 
OAC-08C 


01„F  J_ 


IFS-JREF@) 
10  +  10  =  IFS 

io-  |a|  iref  where  )a|  - 

THE  DIGITAL  INPUT  WORD 
EXPRESSED  AS  A  FRACTION 


Id  ^  8<iA  ±0.23(iA 
IC2  »  BcA  ±0.23»A 
Vos  -  Vrei  -  VBE2 


PRECISION  OP  AMP  EQUIVALENT  CIRCUIT 


NOTE: 

TCVQS  MAY  BE  DEGRADED. 
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ANALOG  AN-17 
DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


DAC-08 

Applications  Collection 


GENERAL  DESCRIPTION 

There  has  been  a  trend  in  recent  years  toward  providing 
totally  dedicated  digital-to-analog  converters  with  limited 
applications  versatility.  This  application  note  describes  a 
new  type  of  monolithic  DAC  designed  for  an  extremely 
broad  range  of  applications,  the  Analog  Devices  DAC-08. 

Several  unique  design  features  of  this  low-cost  DAC  com- 
bine to  provide  total  applications  flexibility.  Principal 
among  them  are:  dual  complementary,  true  current  out- 
puts; universal  logic  inputs  capable  of  interfacing  with  any 
logic  family;  85ns  settling  time;  high-speed  multiplying 
capability;  and  finally,  the  ability  to  use  any  standard 
system  power  supply  voltages.  A  description  of  these 
features  is  given  followed  by  specific  applications  using 
each  feature. 


3.  Analog  meter  movement  driving. 

4.  Resistive  termination  for  a  voltage  output  without  an  op 
amp. 

5.  Capacitive  termination   for  digitally-controlled  in- 
tegrators. 

6.  Inductive  termination  with   balanced  transformers, 
transducers  and  headsets. 


MSB  LSB 
Bl   B2  B3  B4  B5  B6  B7  B8  £Q 


•  CMOS,  TTL,  DTL,  HTL,  ECL,  PMOS 
COMPATIBLE  2*iA  LOGIC  INPUTS 


B1   B2  B3  B4  B5  B6  B7  B8 


•  HIGH  SPEED 
MULTIPLYING 
REFERENCE 
INPUT 


•  ±4.5V  TO  ±18V 
33mW  AT  ±5V 


:  SETTLING 
TIME  TO  ±1/2LSB 


lOUT 


'  EXTERNAL 
COMPENSATION 
FOR  MAXIMUM 
BANDWIDTH 


•  DUAL 

COMPLEMENTARY 
OUTPUTS  WITH 
-10V  TO  +18V 
VOLTAGE 
COMPLIANCE 

•  ADJUSTABLE  LOGIC 
INPUT  THRESHOLD 
VTH  =  VLC  +  1-4V 


Figure  1.  The  Flexible  D/A  Converter 
OUTPUT 

HIGH  VOLTAGE  COMPLIANCE  CURRENT  OUTPUTS 

Many  older  current-output  DACs  actually  have  resistive 
outputs  which  must  be  terminated  in  a  virtual  ground.  The 
DAC-08,  however,  is  a  true  digitally-controlled  current 
source  with  an  output  impedance  typically  exceeding 
20M«. 

Its  outputs  can  swing  between  -10V  and  +18V  with  little 
or  no  effect  on  full-scale  current  or  linearity.  Some  of  the 

1.  Precise  current  transmission  over  long  distances. 

2.  Programmable  current  sources. 


B1  B2  B3  B4  B5  B6  B7  BS 

l0  mA 

Iq  mA 

=0 

FULL  SCALE 

-1LSB 

1  1 

1111 

1 

1 

1.992 

0.000 

-9.960 

0.000 

FULL  SCALE 

-2LSB 

1  1 

1111 

1 

0 

1.984 

0.008 

-9.920 

-  0.40 

HALF  SCALE 

+  LSB 

1  0 

0    0    0  0 

0 

1 

1.008 

0.984 

-5.040 

-4.920 

HALF  SCALE 

1  0 

0    0    0  0 

0 

0 

1.000 

0.992 

-5.000 

-4.960 

HALF  SCALE 

-LSB 

0  1 

1111 

1 

1 

0.992 

1.000 

-4.960 

-5.000 

ZERO  SCALE 

+  LSB 

0  0 

0    0    0  0 

0 

1 

0.008 

1.984 

-0.040 

-9.920 

ZERO  SCALE 

0  0 

0    0    0  0 

0 

0 

0.000 

1.992 

0.000 

-9.960 

Figure  2.  Basic  Unipolar  Negative  Operation 


SHADED  AREA  INDICATES 
PERMISSIBLE  OUTPUT 
VOLTAGE  RANGE  FOR 
V- = -15V,  lREF*S 2.0mA. 

FOR  OTHER  V- OR  lREF,SEE 
OUTPUT  CURRENT  VS  OUTPUT 
VOLTAGE  CURVE. 


TEMPERATURE  (°CI 

Figure  3.  Output  Voltage  Compliance  vs  Temperature 
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i 

°  0.8 


ALL 

|  L— 

JITS  0 

N 

TA 

"  Tmi 

|  TO  1 

MAX 

V- 

1 

-15V  V- 

IREF  =  2mA 

1 

  1 

^EF  - 

1mA 

f 

1 

F  =  0.2mA 

—  IR 

1 

1 

I  I 

-14    -10     -6-2        2        6       10       14  18 
OUPUT  VOLTAGE  (VOLTS) 


Figure  4.  Output  Current  vs  Output  Voltage 
(Output  Voltage  Compliance) 


irefM  ■ 

2.000mA 


B1  B2  B3  B4  BS  B6  B7  B8 

E° 

POS  FULL  SCALE  -  LSB 

1111111 

1 

-  9.920 

+  10.000 

POS  FULL  SCALE  2LSB 

1111111 

0 

-  9.840 

4  9.920 

ZERO  SCALE  +  LSB 

1    0    0    0    0    0  0 

1 

-  0.080 

+  0.160 

ZERO  SCALE 

1    0    0    0    0    0  0 

0 

0.000 

+  0.080 

ZERO  SCALE  -LSB 

0  111111 

1 

+  0.080 

0.000 

NEG  FULL  SCALE  +  LSB 

0    0    0    0    0    0  0 

1 

+  9.920 

-  9.840 

NEG  FULL  SCALE 

0    0    0    0    0    0  0 

0 

+ 10.000 

-  9.920 

Figure  5.  Basic  Bipolar  Output  Operation 

B1  B2  B3  B4  BS  B6  B7  B8 


5kSl 


B1  B2  B3  B4  B 

5  B6  B7  B8 

HO 

POS  FULL  SCALE  -LSB 

1    1    -1  11 

91    1  1 

+9.920 

POS  FULL  SCALE  2LSB 

11111 

1    1  0 

+  9.840 

(  +  )ZERO  SCALE 

1    0    0    0  0 

0    0  0 

+0.040 

(-)  ZERO  SCALE 

0  1111 

ill    1  °* 

-0.040 

NEG  FULL  SCALE  +2LSB 

0    0    0    0  0 

0   0  1 

-9.840 

NEG  FULL  SCALE  +1LSB 

0    0    0    0  0 

0    0  0 

-9.920 

Figure  6.  High  Noise  Immunity  Current  to  Voltage  Conversion 

DUAL  COMPLEMENTARY  OUTPUTS 

Convertional  DACs  have  a  single  output,  so  they  cannot 
drive  balanced  loads  and  are  limited  to  a  single  input  code 
polarity.  The  DAC-08  was  designed  to  overcome  these 
limitations. 

Input  coding  of  positive  binary  or  complementary  binary  is 
obtained  by  a  choice  of  outputs,  l0  for  positive-true  or  l0  for 
negative-true.  In  many  applications  both  are  used  either  in- 
dependently or  in  combination.  Dual  comlementary  outputs 
allow  some  very  unusual  and  useful  DAC  applications: 

1.  CRT  display  driving  without  transformers. 

2.  Differential  transducer  control  systems. 

3.  Differential  line  driving. 

4.  High-speed  waveform  generation. 

5.  Digitally  controlled  offset  nullin 


(llll'lllD 


Figure  7.  True  and  Complementary  Output  Operation 
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60V  COMMON 
MODE  LEVEL 


•  FULL  DIFFERENTIAL  DRIVE  LOWERS  POWER  SUPPLY  VOLTAGE 

•  ELIMINATES  INVERTING  AMPLIFIERS  AND  TRANSFORMERS 

•  INDEPENDENT  BEAM  CENTERING  CONTROLS 


2C 


Figure  8.  CRT  Display  Driver 


TRANSDUCER 
STRAIN 
PRESSURE 
TEMPERATURE 


X 


>  FULLY  DIFFERENTIAL  INPUT 

>  ELIMINATES  INSTRUMENTATION  AMPLIFIER  -  LOW  COST 
i  DIGITALLY  CONTROLLED  SYSTEM  ZEROING 

.  HIGH  CONVERSION  SPEED 

'  EXCELLENT  COMMON  MODE  REJECTION 


NULL 
CONTROL 


SERIAL  TO 
PARALLEL 
REGISTER 


INPUT 

■ 


APPPO=ON 


6666666O 

PARALLEL  OUTPUT  SERIAL 
OUTPUT 


Figure  9.  Bridge  Transducer  Control  System  with  Full  Differential  Input 
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DIGITAL  INPUTS 
B1  B2  B3  B4  85  B6  B7  E 


TTT7T7TT  ,0 


6  6 

+15V  -15V 

•  DAC  OUTPUT  IN  InA  PER  STEP 

•  REPLACES  NULLING  POTENTIOMETER 

•  WORKS  WITH  OP  07,  OP-05,  SSS725 

•  Vqs  NULLED  BELOW  NOISE  LEVEL 


Figure  10.  Digitally  Controlled  Offset  Nulling 


DIGITAL  INPUT 
VREF      B1  B2  B3  B4  B5  B6  B7  B8 

ooooooop 


^C7 


•  BIPOLAR  OUTPUT  WITH  OFFSET  BINARY  CODING 

•  PROVIDES  DC  ISOLATION  BETWEEN  SOURCE  AND  LOAD 

•  HIGH  VOLTAGE  OUTPUT  CAPABILITY 

•  USEFUL  WITH  PULSE  OR  SINE  WAVE  REFERENCE  INPUT 

•  USEFUL  WITH  PULSE  OR  SINE  FUNCTION  DIGITAL  INPUT 


FOR  TURN-ON,  Vl  =  2.7V  Q  Vl 
FOR  TURN-OFF,  Vl  =  0.7V 


Figure  12.  Settling  Time  Measurement  Circuit 


Figure  11.  Balanced  Transformer  Drive 
HIGH  SPEED 

Sub-microsecond  settling  times  are  common  in  current- 
output  DACs.  Many  DACs  settle  in  500ns;  300ns  is  not 
unusual.  But  85ns  settling  time  for  a  low-cost  DAC  is  excep- 
tional, and  this  characteristic  allows  the  use  of  the  DAC-08 
in  formerly  difficult  and  expensive-to-build  applications: 

1.  1>iS,  2/isand  4/ns  A/Ds.  (These  are  completely  described  in 
AN-16.) 

2.  15MHz  Tracking  A/Ds. 

3.  ECL  compatible  applications. 

4.  Video  displays  requiring  a  low-glitch  DAC. 

5.  Radar  pulse  height  analysis  system. 

LOGIC  INPUTS 

ADJUSTABLE  INPUT  LOGIC  THRESHOLD 

Most  DACs  have  TTL  or  CMOS  compatible  inputs  which  re- 
quire complicated  interfaces  for  use  with  ECL,  PMOS, 


ALL  BITS  SWITCHED  ON 

2.4V  - 

LOGIC 
INPUT 

0.4V  - 

-1/2LSB  - 
OUTPUT  . 
SETTLING  U 

+1/2LSB  - 

50nSEC/DIVISION 

IFS  =  2mA,  Rl  =  1k« 
1/2LSB  =  4nA 

Figure  13.  Full  Scale  Settling  Time 

NMOS  or  HTL  logic.  By  contrast,  the  DAC-08,  with  typical 
logic  input  current  of  2jiA  and  an  adjustable  input  logic 
threshold,  interfaces  easily  with  any  logic  family  in  use  to- 
day. The  logic  input  threshold  is  1.4V  positive  with  respect 
to  Pin  1;  for  TTL  Pin  1  is  therefore  grounded;  for  other 
families  Pin  1  is  connected  as  shown  in  the  interfacing 
figure.  An  adjustable  threshold  and  a  -10V  to  +18V  input 
range  greatly  simplify  system  design  especially  with  other- 
than-TTL  logic.  The  circuits  shown  in  c  and  d  provide  a  2VBE 
VLC  compensation  to  minimize  temperature  drift. 
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1.  ECL  applications  without  level  translators. 

2.  Direct  interfaces  with  Hi-Z  RAM  outputs. 

3.  CMOS  applications  without  static  discharge  considera- 
tions. 

4.  HTLor  HNIL  applications  without  level  translators. 

5.  System  size,  weight,  and  cost  reduction. 


TTL.  DTL 
VTH  =  +1.4V 


VTH  =  VLC  +1.4V 
♦16V  CMOS.  HTL.  HNIL 
VTH  "  «.SV 


> 


n. 


CMOS,  HTL,  r> 

OV+ 


TO  PIN  1 

— OVLC 


2N3904 


TO  PIN  1 
 OVLC 


□  -5.2V 

TEMPERATURE  COMPENSATING  VLC  CIRCUITS 


r 


>400^A 

1  I 


Figure  14.  Interfacing  with  Various  Logic  Families 
(Vth  =  Vlc  +  1.4V) 


Figure  16.  LSB  Switching 


1  1.2 

1  1-0 

i 

§  0.8 
U 

2  0.6 
D 

°  0.4 

0.2 


NOTE:  B1  THROUGH  98  HAVE  IDENTICAL  TRANSF 
CHARACTERISTICS.  BITS  ARE  FULLV  SWITCHED,  W 
LESS  THAN  1/2  LSB  ERROR.  AT  LESS  THAN  flOO 
FROM    ACTUAL    THRESHOLD.     THESE  SWITCH 
POINTS  ARE  GUARANTEED  TO  LIE  BETWEEN  0.8  A 
2.0   VOLTS  OVER   THE   OPERATING  TEMPERATL 
RANGE  (VLC  -  0.0VI. 

ER 
TH 

JG 
ND 
RE 

1  1 

Incc  =  0  Am  A 

B1 

B2 

V- 

=  -5\ 

t 

8 

B3 

a 

5 

V  15V 

■  1 

-12.0  -8.0  -1.0 


4.0      8.0     12.0  16.0 


LOGIC  INPUT  VOLTAGE  (VOLTS) 


Figure  17.  Bit  Transfer  Characteristics 
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CMOS  DATA  INPUT 


DAC-08 

5 

5    6    7    8    9  10  11  12 
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DATA  OUTPUT 


Figure  15.  CMOS  Differential  Line  Driver/Receiver 
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Figure  18.  VTH  -VLC  vs  Temperature 
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Figure  19.  LSB  Propogation  Delay  vs  lFS 
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I 
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LOGIC  INPUT  VOLTAGE  (VOLTS) 


Figure  20.  Logic  Input  Current  vs  Input  Voltage 


REFERENCE  INPUTS 
MULTIPLYING  CAPABILITY 

Fixed  internal  references  are  included  in  many  DACs,  but 
they  limit  the  user  to  non-multiplying,  single-polarity 
reference  applications  and  do  not  allow  a  single-system 
reference.  To  achieve  the  design  goals  of  low  cost  and  total 
applications  flexibility,  the  DAC-08  uses  an  external 
reference.  Positive  or  negative  references  may  be  applied 
over  a  wide  common-mode  voltage  range.  In  addition,  the 
full-scale  current  is  matched  to  the  reference  current 
eliminating  calibration  in  most  applications. 

1. 

2. 
3. 
4. 
5. 


Digitally  controlled  full-scale  calibration. 
8x8  multiplication  of  two  digital  words. 
Digital  Attenuators/Programmable  gain  amplifiers. 
Modem  transmitters  to  1MHz. 
Remote  shutdown  and  party  line  DAC  applications 


Bl   B2  B3  B4  65  E 


Rref 

IR14) 

R15  VBEf(-) 


,„5    6    7    8    9    10  11  12  \   Q 

2  /-«-10 

15    3       16      13       1        /  O 


H 


Jo.1«F 
I 


o.i»f£ 
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FOR  FIXED  REFERENCE. 
TTL  OPERATION. 
TYPICAL  VALUES  ARE: 

VREF  =  +10.0O0V 
RREF  -  5.000k 

R15  =  Rref 

Cc  =  0.01^  F 

VLC  =  0V  (GROUND) 


.        +VREF  255 

lFR"  Rref  *^55 


Figure  21.  Basic  Positive  Reference  Operation 


REF.  REFERENCE  CURRENT  (mA) 


Figure  22.  Full-Scale  Current  vs  Reference  Current 
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Figure  23.  Basic  Negative  Reference  Operation 
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Figure  24.  Reference  Amp  Common-Mode  Range 
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Figure  25.  Simplified  Schematic  Vs  A/D 
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+15V  6 


BIPOLAR  OUTPUT  IS  SYMMETRICAL  AROUND  ZERO.  ADJUSTABLE  PEAK-TO- 
PEAK  AMPLITUDE. 

FOR  TRIANGLE  WAVE,  COUNT  UP  TO  FULL  REVERSE  AND  COUNT  DOWN. 
FOR  POSITIVE  GOING  SAWTOOTH,  COUNT  UP  TO  FULL  CLEAR,  REPEAT. 
FOR  NEGATIVE-GOING  SAWTOOTH,  COUNT  DOWN.  CLEAR  REPEAT. 
FOR  OTHER  WAVEFORMS,  USE  A  ROM  PROGRAMMED  WITH  THE  DESIRED 
FUNCTION. 

85nSEC  SETTLING  TIME  PERMITS  WAVEFORM  PERIOD  OF  25.6^SEC  OR  39kHz 
REPETITION  RATE  IN  THE  UNIPOLAR  POSITIVE  MODE. 


Figure  26.  High-Speed  Waveform  Generator 
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NOTES: 

1.  CONNECT  "START"  TO  "CONVERSION  COMPLETE" 
FOR  CONTINUOUS  CONVERSIONS. 

2.  FOR  DETAILED  LOW-COST  DESIGNS  REQUEST  AN-11 
AND  AN-6. 


U  13  12  11  6  5   4    3  7 
AM  2502 
SUCCESSIVE  APPROXIMATION 
REGISTER 


2.25MHz 


Figure  27.  Four  IC  Low-Cost  A/D  Converter 
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•VREF  RREF 

O  VA- 


R15 
(OPTIONAL) 
O  VA  


) 


•  +VREF  MUST  BE  ABOVE  PEAK  POSITIVE  SWING  OF  V|N 


•  IREF  >  PEAK  NEGATIVE  SWING  OF  l|N 


Figure  28.  Accommodating  Bipolar  References 





WORD  "A"  INPUT 


*VREFC 
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•  FAST  -  85nSEC  PLUS  OP  AMP  SETTLING  TIME 

•  ANY  LOGIC  FAMILY  FOR  WORD  "A"  OR  "B" 
«  BIPOLAR  OUTPUT 

►  ELIMINATES  SEVERAL  LOGIC  PACKAGES 


Figure  29.  Digital  Addition  or  Subtraction  with  Analog  Output 
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WORD  "A"  FULL  SCALE  IrefWAX) 
DIGITAL  INPUT 

T  TTTTTTT 


4-  "  TTTTTTTT 


vref(-) 

V+  V-     Cc  v 


V+  V-     Cc      VLC  j 


FTi  1  1 


•  IFS  IS  THE  PRODUCT  OF  TWO  DIGITAL  INPUT  WORDS 

•  MAY  BE  USED  AS  AN  8x8  DIGITAL  MULTIPLIER  WITH  ANALOG  OUTPUT 

•  ELIMINATES  DAC  AFTER  DIGITAL  MULTIPLICATION 

•  FUNCTIONS  WITH  ANY  LOGIC  FAMILY 

•  NOTE;  LIMIT  WORD  "B"  INPUT  RISE  AND  FALL  TIMES  TO  MOnSEC  MINIMUM 


Figure  30.    Digitally  Controlled  Full-Scale  Calibration  (Multiplier) 
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I — vw  *  

A  'MHz 

max  i — 


B1  B2  B3  B4  B5  B6  87  88 
VREFH 

DAC-08 


F 


•  AC  VOLTAGE  TO  DIFFERENTIAL  CURRENT  CONVERSION 

•  DC  TO  1MHZ  INPUT  RANGE 

'  OUTPUT  DRIVES  TWISTED  PAIR  DIRECTLY 
'  CMOS  COMPATIBLE 


Figure  31.  Modem  Transmitter 


BIPOLAR  INPUT  1  PERFORMS  TWO  QUADRANT 
OFFSET  BINARY  |  MULTIPLICATION  -  AC  INPUT 
OUTPUT  |  CONTROLS  OUTPUT  POLARITY 


6 -15V 

NOTES: 

1.     R1  =  R2  =  R3 
Z     R4  =  R5 

3.  Eo  DC  TO  20kH2  *  i5V 

4.  Eq  DC  TO  10kHz  w  HOV 


Figure  32.  DC-Coupled  Digital  Attenuator/ 
Programmable  Gain  Amplifier 

POWER  SUPPLIES 

POWER  SUPPLY  REQUIREMENTS 

The  DAC-08  works  with  ±4.5V  to  ±18V  supplies  allowing 
use  with  all  standard  digital  and  analog  system  supply 
voltages  plus  most  battery  voltages.  With  only  33mW  of 
power  dissipation  at  ±5V  and  85ns  settling  time,  it  has  a 
lower  speed  power  product  than  CMOS  DACs.  Power 
dissipation  is  almost  constant  over  temperature,  and 
bypassing  is  accomplished  with  0.0 VF  capacitors  —  no 
large  electrolytics  are  required.  These  power  supply  re- 
quirements allow: 


1.  Battery  operation. 

2.  Use  of  unregulated  or  poorly  regulated  power  supplies. 

3.  Use  in  space-limited  areas  due  to  small  bypass 
capacitors. 

4.  Use  in  constant  power  dissipation  applications. 

5.  Common  digital  and  analog  power  supplies. 
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Figure  33.  Power  Supply  Current  vs  V+ 
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Figure  34.  Power  Supply  Current  vs  Temperature 
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Figure  35.  Power  Supply  Current  vs  V- 

OTHER  APPLICATIONS 

MICROPROCESSOR  APPLICATIONS 

The  ability  to  use  pP  power  supply  voltages  and  the  ability  to 
interface  with  any  logic  family  make  the  DAC-08  especially 


useful  in  applications: 

1.  Tracking  A/D  converters. 

2.  Successive  approximation  A/D  converters. 

3.  Direct  drive  from  Hi-Z  MOS  RAM  outputs. 

By  programming  the  ROMs  with  the  successive  approxima- 
tion or  the  tracking  A/D  algorithm,  all  of  the  logic  for  A/D 
conversion  is  contained  in  the  pP.  This  is  a  very  inexpensive 
approach,  since  there  is  no  need  for  the  usual  A/D  conver- 
sion logic  packages. 

CONCLUSION 

High  voltage  compliance  complementary  current  outputs, 
universal  logic  inputs  and  multiplying  capability  make  the 
Precision  Monolithics  DAC-08  the  most  versatile  monolithic 
high-speed  DAC  available  today. 


6+5V  i-15V 


•  USEFUL  FOR  ENCODING  DC  INPUTS 

•  ELIMINATES  UP/DOWN  COUNTERS 

•  ANSWER  CONTINUOUSLY  AVAILABLE 

•  LOW  POWER  CONSUMPTION 

•  HI-Z  INPUT 

•  RAM  OUTPUTS  MAY  BE  USED  IN  PLACE  OF  TTL  I/O 


Figure  36.    Microprocessor  Controlled  Tracking  A/D  Converter 
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ANALOG 
DEVICES 


AN-19 

APPLICATION  NOTE 


ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Differential  and  Multiplying 
D/A  Converter  Applications 


INTRODUCTION 

The  introduction  of  low-cost  monolithic  D/A  converters  has 
simplified  data  acquisition  and  control  system  design.  This 
application  note  describes  several  new  applications  using 
the  multiplying  capability  and  dual  complementary  current 
outputs  of  the  Analog  Devices  DAC-08. 


The  relationship  of  I  rep  to  I  o  and  I  o  is  illustrated  in  Figure  2 
and  in  Figure  3,  the  basic  DC  reference  connections.  Refer- 
ences may  be  either  positive  or  negative,  and  a  bipolar  output 
voltage  may  be  achieved  using  the  high  compliance  current 
outputs  alone  or  with  an  output  operational  amplifier.  The 
simplest  form  of  a  multiplying  DAC  accepts  a  unipolar  vary- 
ing reference  input. 


•  CMOS.  TTL.  DTL 
HTL,  ECL,  PMOS 
COMPATIBLE  2|iA 
LOGIC  INPUTS 


•  HIGH  SPEED 
MULTIPLYING 


85NSEC  SETTLING 
TIME  TO  H/2LSB 


nnn 


DUAL 

COMPLEMENTARY 
OUTPUTS  WITH 
HIGH  IMPEDANCE 
AND  -10V  TO  +18V 
VOLTAGE  COMPLI- 
ANCE 


B1  B2  83  B4  B5  B6  B7  B8 

VrefM 

DAC-08 

VREF(-) 
V+  V-     Cc  VLC 


_IOUT 

 O 


'  ADJUSTABLE  LOGIC  INPUT 
THRESHOLD  VTH  =  VLC +T4V 


(111!1!!!!) 


Figure  1.   The  Universal  DAC 


MULTIPLYING  DAC  BASICS 

A  multiplying  DAC  has  an  analog  output  which  is  the  prod- 
uct of  a  digital  input  word  and  a  reference  voltage  and  can 
be  expressed  as: 

m  t  c       c      {  M  a.*2,*3,  A4     A5  ,  A6  ,  A7     A8  \ 

(1.)En=EREF(  1  1  1  h  1  1  +  

\  2     4     8      16      32      64     128    256  / 

For  a  current  reference,  current  output  DAC,  the  expression 
becomes: 

~  /  A1  ,  A2  ,  A3  ,  A4     A5     A6  ,  A7  ,  A8  \ 

(2.    In=   REF     —  +  —  +  —  +  +  +  +  +  

o  \  2     4     8     16     32     64     128    256  / 


+VREF  255 
'FS-  RreF  "256 


Rref 

+VREF    RH  VrefW 


MSB  LSB 
B1  B2  B3  B4  B5  B6  B7  B8 


nnnn 


IO  +  10  -  "FS  FOR  ALL 
LOGIC  STATES 


FOR   FIXED  REFERENCE, 
TTL  OPERATION,  TYPICAL 
VALUES  ARE: 
+VREF  >  +10.000V 

rref  -  5.oookn 
rib  =  Rref 

CC  -  O.OljiF 
V.tC  -  0V  (GROUND) 


CURRENT  CANCELLATION. 
SO  V14  *  V15. 


2.     PINS  14  AND  15  ARE  OP  AMP 

Figure  2.  Positive  Reference  Connection 


P  M  ~VREF      255  MSB  LSB 

~"  RREF       256  B1  B2  B3  B4  B5  B6  B7  bs 


IO  +  >0  =  'FS  FOR  ALL 
LOGIC  STATES. 


FOR    FIXED  REFERENCE. 
TTL  OPERATION,  TYPICAL 
VALUES 
-VREF  ■  -1< 

rref  *  5,oookn 
R15  »  Rref 

Cc  =  O.OI^F 
VLC  "  0V  (GROUND) 

VLC 


NOTES: 

1.  RREF  SETS  IFS-  R'S  IS  FOR  BIAS  CURRENT  CANCELLATION. 

2.  PINS  14  AND  15  ARE  OP  AMP  INPUTS.  SO  V14  *  V15. 


Figure  3.  Negative  I 

1 


The  DAC-08  has  complementary/differential  current  out- 
puts, and  l0  has  a  complement  expressed  as: 


(3.)  Iq  =  I fs  —  lofor  all  input  logic  states. 
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BIPOLAR  REFERENCES 

Operation  with  bipolar  references  is  achieved  by 
modulating  lREF  as  shown  in  Figure  5.  To  aid  in  understand- 
ing bipolar  operation,  see  the  equivalent  circuit  in  Figure  4. 
The  reference  inputs  of  the  DAC-08  are  op  amp  inputs  - 
VREF(+)  being  the  inverting  input  and  VREF(-)  being  the 
noninverting  input.  Excellent  gain  linearity  of  the  reference 
amplifier  allows  multiplying  operation  over  a  range  of  lREF 
of  Auk  to  4mA  with  monotonic  operation  from  less  than 
1(XVA  to  4mA. 

REFERENCE  AMPLIFIER  COMPENSATION 

AC  reference  applications  will  require  the  reference  amplifier 
to  be  compensated  using  a  capacitor  from  Pin  16  to  V-.  The 
value  of  this  capacitor  depends  on  the  impedance  presented 
to  Pin  14:  for  Revalues  of  1.0, 2.5  and  5.0kfi,  minimum  values 
of  Cc  are  15,  37,  and  75pF.  Larger  values  of  R|N  require 
proportionately  increased  values  of  Cc  for  proper  phase 
margin. 

FAST  PULSED  OPERATION 

For  fastest  multiplying  response,  low  values  of  Rin  enabling 
small  Cc  values  should  be  used.  For  R!N=  1kf!and  Cc=  15pF, 


the  reference  amplifier  slews  at  4mA/Vs  enabling  a  transition 
from  I  rep  =  0  to  lREF  =  2mA  in  500ns.  If  R!N  or  the  parallel 
equivalent  resistance  at  Pin  14  is  less  than  200fl,  no  compen- 
sation capacitor  is  necessary,  and  a  full-scale  transition 
requires  only  16ns. 

TWO-QUADRANT  MULTIPLICATION 

There  are  two  forms  of  two-quadrant  multiplication:  bipolar 
digital,  where  the  digital  input  word  controls  output  polarity, 
and  bipolar  analog,  where  the  analog  reference  input  con- 
trols output  polarity. 

Bipolar  digital  two-quadrant  mutliplication  is  shown  in 
Figure  6  with  the  output  polarity  being  controlled  by  an 
offset-binary-coded  digital  input  word. 

Bipolar  analog  two-quadrant  multiplication  is  shown  in 
Figure  7.  A  bipolar  reference  voltage  is  connected  to  the  up- 
per DAC-08  and  modulates  the  reference  current  by  ±  1.0mA 
around  a  quiescent  current  of  1 .1mA.  The  lower  DAC-08  also 
has  a  reference  current  of  1.1mA;  due  to  the  parallel  digital 
inputs,  the  lower  DAC-08  effectively  subtracts  out  the  quies- 
cent 1.1mA  of  the  upper  DAC-08's  reference  current  at  all  in- 
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Figure  4.  DAC-08  Equivalent  Circuit 
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put  codes,  since  the  voltage  across  R3  varies  between 
-10V  and  0V.  Thus,  the  output  voltage,  E0,  is  a  product  of  a 
digital  input  word  and  a  bipolar  analog  reference  voltage. 


IF  Rl  •  RL  WITHIN  ±0.05%,  OUTPUT  IS 
SYMMETRICAL  ABOUT  GROUND. 


B1 
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B3 
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1 

1 

1 

1 
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0.000 

+9.96 
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-9.88 

NEG.  FULL  SCALE 

0 

0 

0 

0 

0 

0 

0 

0 
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Figure  6.  Bipolar  Digital  Two-Quadrant  Multiplication 
(Symmetrical  Offset  Binary) 
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PERFORMS  TWO  QUADRANT 
MULTIPLICATION  -  AC  INPUT 
CONTROLS  OUTPUT  POLARITY 


FOUR-QUADRANT  MULTIPLICATION 

Four-quadrant  multiplication  combines  the  two  forms  of 
two-quadrant  multiplication.  Output  analog  polarity  is  con- 
trolled by  either  the  analog  input  reference  or  by  the  offset 
binary  digital  input  word.  One  implementation  of  this  function 
with  the  DAC-08  is  shown  in  Figure  8  with  output  current 
values  listed  in  Table  1. 








 1 


OI02 
(OUT  =  101  -  '02 


HIGH  SPEED  MONOTONIC  OPERATION 

OVER  ENTIRE  RANGE 

HIGH     IMPEDANCE  DIFFERENTIAL 

INPUTS 

tlOV  DIFFERENTIAL  INPUT  RANGE 


2  PACKAGES  VS  3  FOR  VOLTAGE 
SWITCHED  DACS 

TRUE  CURRENT  OUTPUT  -  WIDE 
COMPLIANCE 

ADJUSTABLE  LOGIC  THRESHOLD 
WIDE  POWER  SUPPLY  RANGE 


Figure  8.  Four-Quadrant  Multiplying  DAC  with 
with  Impedance  Input 

The  four-quadrant  multiplying  DAC  circuit  shown  accepts  a 
differential  voltage  input  and  produces  a  differential  current 
output.  An  output  op  amp  is  not  shown  because  it  is  not 
always  required;  many  applications  are  more  suited  for  high 
output  compliance  (-10V  to  +18V)  differential  current  out- 
puts. Typical  balanced  loads  include  transformers,  transduc- 
ers, transmission  lines,  bridges  and  servos. 

Operation  of  the  four-quadrant  multiplier  may  be  more  easily 
visualized  by  considering  that  if  either  V|N  =  0V  or  the  offset 
binary  digital  input  code  is  at  midscale  (corresponding  to 
zero),  then  a  change  in  the  other  input  will  not  affect  the  out- 
put. Zero  multiplied  by  any  number  equals  zero. 

A  common  mode  current  will  be  present  at  the  output  and 
must  be  accommodated  by  the  balanced  load.  A  pair  of 
matched  resistors  may  be  used  at  the  outputs  to  shunt  most 
of  the  common  mode  current  to  ground,  thus  reducing  the 
common  mode  voltage  swing  at  the  output. 
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Table  1.  Four-Quadrant  Multiplying  Current  Values  in  Figure  8. 


DIGITAL 
INPUT 

V,N<+) 

Vin(-) 

V,N 
DIFF. 

Iref 
#1  (mA) 

Iref 
#2  (mA) 

l0#1 
(mA) 

sS 

(mA) 

l0#2 
(mA) 

l0#1 
(mA) 

(mA) 

DMFF. 

1111  1111 

+  5V 

-5V 

+  10V 

2.000 

1.000 

1.992 

0 

1.992 

0.996 

0 

0.996 

0.996mA 

1000  0000 

+  5V 

-5V 

+  10V 

2.000 

1.000 

1.000 

0.496 

1.496 

0.500 

0.992 

1.492 

0.004mA 

0111  1111 

+  5V 

-5V 

+  10V 

2.000  1.000 

0.992 

0.500 

1.492 

0.496 

1.000 

1.496 

-0.004mA 

0000  0000 

+5V 

-5V 

+  10V 

2.000 

1.000 

0 

0.996 

0.996 

0 

1.992 

1.992 

—0.996mA 

1111  1111 

ov 

OV 

ov 

1.500 

1.500 

1.494 

0 

1.494 

1.494 

0 

1.494 

0.000mA 

1000  0000 

-10V 

-10V 

ov 

2.500 

2.500 

1.250 

1.240 

2.490 

1.250 

1.240 

2.490 

0.000mA 

0111  1111 

+  10V 

+  10V 

ov 

0.500 

0.500 

0.248 

0.250 

0.498 

0.248 

0.250 

0.498 

0.000mA 

0000  0000 

ov 

OV 

ov 

1.500 

1.500 

0 

1.494 

1.494 

0 

1.494 

1.494 

0.000mA 

1111  1111 

-5V 

+  5V 

_  iov 

1.000 

2.000 

0.996 

0 

0.996 

1.992 

o 

1.992 

—  0  996mA 

1000  0000 

-5V 

+5V 

-10V 

1.000 

2.000 

1.492 

1.496 

-0.004mA 

0.500 

0.992 

1.000 

0.496 

0111  1111 

-5V 

+  5V 

-10V 

1.000 

2.000 

0.496 

1.000 

1.496 

0.992 

0.500 

1.492 

0.004mA 

0000  0000 

-5V 

+5V 

-10V 

1.000 

2.000 

1.992 

1.992 

0 

0.996 

0.996 

0.996mA 

HIGHEST  SPEED  FOUR-QUADRANT 
MULTIPLYING  CONSIDERATIONS 

The  configuration  shown  in  Figure  10  makes  use  of  the 
DAC-08's  ability  to  operate  in  a  fast-pulsed  reference  mode 
without  compensation  capacitors.  This  technique  provides 
lowest  full-scale  transition  times.  An  internal  clamp  allows 
quick  recovery  of  the  reference  amplifier  from  a  cutoff 
(Iref  =  0)  condition.  This  connection  yields  a  reference  slew 
rate  of  lemA/^s  which  is  relatively  independent  of  R!N  and 
V(N  values. 

Input  resistances  are  not  limited  to  10kfi.  For  example, 
100kJ)  resistors  for  R,N1  and  R|N2  allow  +100V  reference 
voltage  inputs  making  this  connection  especially  useful  in 
high  common  mode  voltage  environments.  Except  for  dif- 
ferent reference  treatment,  operation  and  digital  input 
coding  are  identical  in  the  circuits  shown  in  Figure  8  and  in 
Figure  10;  both  have  the  transfer  function  shown  in  Figure  9. 
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CURRENT  OUT  {-I 


1 


RtNl 
iokn 


R|N2 
10kO 


6 
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BALANCED 
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25M1  RESISTORS  AND  OMISSION  OF  COMPENSATION  CAPACITORS  ARE  OP 
TIONAL  FOR  FAST  PULSED  REFERENCE  OPERATION. 

INPUT  DIFFERENTIAL  AND  COMMON  MODE  RANGES  ARE  EXTENDABLE  BV 
INCREASING  10k£l  RESISTORS.  EXAMPLE:  lOOkii  FOR  ±100V. 
HIGH  SPEED  MULTIPLYING  CONNECTION  WITH  MONOTONIC  OPERATION 
OVER  ENTIRE  RANGE. 

NOT  NECESSARY  TO  MODULATE  BOTH  DAC'S  WITH  THE  REFERENCE  INPUT. 


Figure  9.  Four-Quadrant 


DAC  Transfer  Function 


Figure  10.  Four-Quadrant  Multiplying  DAC  with  Extendable 
Input  Range  and  Highest  Speed 

AC-COUPLED  MULTIPLICATION 

Some  multiplying  DAC  applications  are  more  easily  achieved 
with  AC  coupling.  At  the  same  time,  a  high  impedance  input 
is  often  required  to  avoid  loading  a  relatively  high  source  im- 
pedance. Both  requirements  are  met  by  the  circuits  shown 
in  Figure  11  and  Figure  12  which  use  the  compensation 
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•  2.0MS!  TYPICAL  INPUT  IMPEDANCE 




Figure  11.  High  Input  Impedance  AC-Coupled  Multiplication 
(Audio  Frequency  Digital  Attenutor) 

capacitor  terminal  (Cc)  as  an  input.  This  is  possible  because 
Cc  is  the  base  of  a  transistor  whose  emitter  is  one  diode 
drop  (0.7V)  away  from  the  R-2R  ladder  network  common 
baseline  internal  to  the  DAC-08. 

With  a  full-scale  input  code  the  output,  V0,  is  flat  to 
>200kHz  and  is  3dB  down  at  approximately  1.0MHz  making 
this  type  of  multiplying  connection  useful  even  beyond  the 
audio  frequency  range.  Such  a  connection  is  illustrated  in 
Figure  12  operating  at  455kHz,  the  highest  recommended 
operating  frequency  in  this  connection. 
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Figure  12.  High  Input  Impedance  AC-Coupled  Multiplication 
(I.F.  Amplifier/Digital  Attenuator) 

DIFFERENTIAL  AND  RATIOMETRIC 
AID  CONVERSION 

Complementary/differential  current-source  outputs  and  mul- 
tiplying capability  allow  the  DAC-08  to  be  used  in  differential 
and  ratiometric  A/D  converter  designs  directly  without  signal 
conditioning  amplifiers.  This  group  of  applications  begins 
with  the  basic  differential  A/D  converter  and  ratiometric  A/D 
converter  connections  followed  by  more  specific 
applications. 
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Figure  13.  Differential  Input  A/D  Conversion  Basic  Connections 
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These  are  extremely  cost-effective  designs  due  to  their  low 
parts  count  and  simplicity.  Alternative  designs  performing 
identical  functions  require  instrumentation  amplifiers  for 
the  differential-to-single-ended  input  signal  conditioning  and 
analog  multipliers  or  dividers  for  the  arithmetic  functions. 


DIFFERENTIAL  A/D  CONVERSION 


The  circuit  in  Figure  13  uses  the  high  voltage  compliance 
current  output  capability  of  the  DAC-08  and  the  high  com- 
mon mode  voltage  rejection  of  the  CMP-01  to  construct  a 
differential  input  ADC  without  input  signal  conditioning. 

A  successive  approximation  ADC  is  constructed  with  four 
ICs:  a  REF-01  +10V  reference,  a  2502-type  successive  ap- 
proximation register,  a  CMP-01  precision  voltage  compara- 
tor, and  a  DAC-08.  As  shown,  the  circuit  converts  an  analog 
input  in  less  than  2.0^s.  For  lower  speed  requirements,  the 
A/D  conversion  logic  can  be  the  tracking  or  servo  type  con- 
sisting of  up/down  i 


FOUR-QUADRANT  RATIOMETRIC  A/D  CONVERSION 

Ratiometric  AID  conversion  with  fully  differential  X  and  Y  in- 
puts is  accomplished  with  the  circuit  in  Figure  14.  Here,  one 
set  of  inputs,  Vx,  is  connected  in  a  manner  similar  to  the  cir- 
cuit in  Figure  13,  and  the  other  set  of  inputs  VY,  is  connected 
in  a  multiplying  fashion.  Operation  is  as  follows:  lREF  for 
both  the  upper  and  the  lower  DAC-08  is  modulated  between 
1mA  and  3mA;  and  the  resulting  output  currents  are  dit- 


to quoi 



ferentially  transformed  into  voltages  by  the  5k0.  resistors  at 
the  comparator's  inputs  and  compared  with  the  Vx  differen- 
tial input.  When  the  conversion  process  is  complete  (com- 
parator inputs  differentially  nulled  to  less  than  1/2  LSB)  a 
digital  output  is  available  which  corresponds  to  the  quotient 
of  VX/VY.  Thus,  four-quadrant  ratiometric  A/D  conversion  is 
achieved  with  four  ICs  and  without  instrumentation 
amplifiers. 

BRIDGE  TRANSDUCER  NULL 

In  many  control  systems,  bridges  must  be  nulled,  and  a 
digital  representation  of  the  bridge's  error  must  be  provided 
for  computer  monitoring  and  control.  The  circuit  in  Figure 
15  accomplishes  both  tasks  by  using  the  DAC-08  com- 
plementary/differential current  outputs  to  null  the  bridge 
with  the  DAC-08  connected  in  a  tracking  differential  A/D 
converter  configuration.  The  REF-02  reference  voltage 
source  provides  both  the  bridge  excitation  voltage  and  the 
positive  reference  voltage  for  the  DAC-08.  Some  of  the  ad- 
vantages of  this  circuit  are  listed  at  the  bottom  of  Figure  15. 

POWER  MONITOR 

Another  differential  current-input  ADC  is  shown  in  Figure  16 
with  a  transformer-coupled  input.  An  up/down  counter,  a 
precision  high-speed  comparator,  and  the  DAC-08  form  a 
tracking  A/D  converter  which  continuously  monitors  the 
analog  input.  Two  precautions  must  be  observed:  the  com- 
mon mode  voltage  at  the  comparator's  inputs  must  not  ex- 
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Figure  14.  Four-Quadrant  Ratiometric  A/D  Conversion  Basic  Connections 
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CIRCUIT  CAN  ALSO  MEASURE  BRIDGE  RESPONSE 
TO  INPUT  VARIABLE  -  PROCESSOR  CAN  COMPUTE 
DIFFERENCE  WITH  RESPECT  TO  ZERO  ERROR 
NO  OPERATIONAL  AMPLIFIERS  OR  SUMMING  RESIS- 
TORS ARE  REQUIRED 

HIGH  NOISE  IMMUNITY  LOGIC  COMPATIBLE  (HTL. 


Figure  15.  Bridge  Transducer  Null 
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•  DETECTS  AND  DIGITIZES  SPIKES  AND  FAULT  CONDITIONS 

•  TRACKING  A/D  CONVERTER  UPDATE  RATE:  200NSEC  <5MHi  MAX) 

•  RESOLUTION  FOR  400Hz  AT  MAX  CLOCK  IS  0.028  DEGREES 


UP/DOWN 
COUNTER 


66606666 
DIGITAL  OUTPUT 


Figure  16.  Power  Fault  Monitor  and  Detector 

ceed  ±10V;  and  the  differential  voltage  must  not  exceed 
11V.  Voltage-limiting  resistors  at  the  comparator's  inputs 
are  recommended. 


ALGEBRAIC  DIGITAL  COMPUTATION 

Frequently,  a  digital  arithmetic  operation  (addition,  subtrac- 
tion, multiplication,  or  division)  must  be  performed,  and  an 


analog  output  must  be  provided.  Traditionally,  the  arith- 
metic operations  are  performed  with  several  ICs,  and  the 
output  drives  a  D/A  converter.  This  section  decribes  applica- 
tions of  the  DAC-08  as  an  arithmetic  building  block,  new 
design  approaches  that  reduce  the  number  of  packages  re- 
quired in  many  applications.  Today's  low  cost,  versatile 
DACs  merit  a  designer's  consideration  as  arithmetic 
elements. 


DIGITAL-TO-ANALOG  CONVERTERS  8-69 


SlPc'-u^r^T^ee^hrT^  -^ffc?-^ Applications  c5Mect"on"T'°^ 

The  first  arithmetic  application  is  shown  in  Figure  17.  Two 
DAC-08s  perform  a  fast  algebraic  summation  with  a  direct 
analog  output.  The  circuit  works  by  paralleling  the  outputs 
of  two  DAC-08s  and  summing  their  currents  while  driving  a 
balanced  load.  The  output  is  the  algebraic  sum  of  word  "A" 
and  word  "B"  in  all  four  quadrants. 


as  previously  shown,  and  DAC-08  number  3  provides  the 
analog  reference  inputs  to  DAC-08  number  1  and  number  2. 
Those  reference  inputs  are  determined  by  digital  input  word 
"A."  The  circuit's  output,  I01-I02.  is  a  differential  current  out- 
put which  may  be  used  to  drive  a  balanced  load. 

Four-quadrant  multiplication  is  thus  performed  by  adding 
one  more  DAC-08  to  the  basic  four-quadrant  multiplying 
connection. 
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Figure  17.  Four-Quadrant  Algebraic  Digital  Computation 
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Figure  18.  Four-Quadrant  8-Bit  x  8-Bit  Digital  Multiplier 
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Circuit  Ideas  for  IC  Converters 

by  Walter  Jung,  Jeff  Riskin,  and  Lew  Counts 


The  alert  circuit  designer  is  constantly  on  the  lookout  for  new 
devices  and  new  ways  to  use  existing  devices  to  realize  needed 
functions  more  efficiently,  at  lower  cost,  or  in  ways  not  previ- 
ously practical.  Some  recently  introduced  analog-digital-conver- 
sion integrated  circuits  fit  in  this  class.  In  these  pages,  we  offer 
a  few  circuit  ideas,  either  for  direct  application,  or  to  stimulate 
the  Reader's  thinking  about  related  possibilities. 

Included  in  the  discussion  are  such  devices*  as  the  AD537  V/f 
converter,  the  AD1408,  AD561,  and  AD7520  d/a  converters, 
and  the  AD581  reference,  as  well  as  some  older  devices,  in  a 
variety  of  circuits  suited  for  instrumentation,  data-acquisition, 
and  process-control  applications.  All  these  ideas  are  workable; 
a  few  of  them  are  ready  to  hook  up  and  use  as  they  stand.  The 
others  are  useful  to  illustrate  concepts  and  are  ripe  for  adapta- 
tion and  further  modification  for  specific  applications. 

OHMS-TO-FREQUENCY  CONVERTER 

Ohms-to-volts  conversion  is  a  familiar  property  of  many  digital 
voltmeters.  However,  ohms-to-/reguency  conversion  provides 
added  flexibility,  since  it  facilitates  remote  measurements, 
averaged  measurements,  and  optional  a/d  or  f/V  conversion  at 
the  destination. 

In  the  circuit  of  Figure  1,  the  IV  reference  voltage  available  at 
the  AD537  is  unloaded  by  buffer  amplifier  Al,  which  drives  a 
reference  current  into  the  resistor  under  test  in  the  feedback 
circuit  of  amplifier  A2.  The  output  voltage,  proportional  to 
resistance,  develops  a  current  at  the  input  of  the  V/f  converter, 
which  generates  a  square  wave  at  a  frequency  proportional 
to  current,  and  hence  to  Rx.  Since  the  reference  for  the 
measurement  is  the  same  as  the  reference  for  the  conversion, 
ratiometric  operation  minimizes  the  effects  of  variation  of  the 
AD537's  reference  with  temperature. 

A  counter  can  be  used  to  read  resistance  directly.  Typical 
laboratory  counters  have  more  than  adequate  resolution; 
models  with  adjustable  gate  time  permit  the  decimal  place 

'This  article  is  adapted  from  portions  of  Walter  Jung's  IC  Converter 
Cookbook.,  published  by  Howard  W.  Sams  &  Co.,  Indianapolis,  Indiana 
(1978). 


to  be  located  as  appropriate  for  the  resistance  range  being 
measured.  For  example,  a  gate  time  of  Is  will  provide  a  read- 
out in  Hz,  and  the  central  measurement  range  will  provide  a 
direct  readout,  1£2/Hz,  or  lki2/kHz,  up  to  the  100kHz  full- 
scale  range. 

In  this  application,  we  are  taking  advantage  of  the  typically 
wide  dynamic  range  of  V/f  conversion  to  provide  a  readout  of 
the  most-frequently  used  resistance  values  on  a  single  range. 
After  calibration  at  100kHz  full-scale,  with  a  100H2  standard, 
(R2  is  adjusted),  and  at  100Hz  low-scale,  with  a  10012  standard, 
(R4  is  adjusted),  the  linearity  error  will  typically  be  no  more 
than  ±0.06%. 

Rs  and  R1-R2  should  be  stable  precision  types,  and  Ct  an  NPO 
ceramic,  for  best  stability  and  repeatability.  CI  and  C2  serve  as 
noise  bypasses,  but  C2  should  have  low  leakage  (polystyrene), 


Figure  1.  Ohms-to-Frequency  Converter 

As  the  chart  notes,  two  additional  ranges  are  suggested.  The 
0.0l£2/Hz  range  has  greater  resolution  and  accuracy,  for  Rx 
<  lkfl,  with  a  lk«  (=  100kHz)  full-scale  limit.  Resistances 
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less  than  0.1  ohm  can  be  resolved  on  this  scale.  A  pullup 
resistor,  R8,  should  be  used  on  this  range,  to  minimize  loading 
on  Al,  since  Rs  (=  100ft)  will  draw  10mA. 

The  highest  scale  range  (Ikf2/Hz)  allows  resistances  in  the 
tens  of  megohms  to  be  read.  A  low-bias-current  amplifier, 
such  as  the  AD208  (or  the  AD517,  or  a  FET-input  amplifier) 
should  be  used  to  minimize  errors  due  to  the  flow  of  bias 
current  in  Rs. 

ALGEBRAIC  MANIPULATIONS  -  QUOTIENTS 
OF  DIGITAL  INPUTS 

Since  d/a  converters  multiply  analog  inputs  by  digital  numbers, 
devices  that  permit  a  wide  range  of  analog  variation  can 
perform  a  variety  of  algebraic  manipulations  involving  multi- 
plication or  division  of  analog  and  digital  quantities.2,3  An 
example  of  the  technique  can  be  seen  in  Figure  2,  a  circuit  that 
produces  an  analog  quotient  of  two  digital  words,  multiplied  by 
a  constant  or  variable  reference. 
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Figure  2.  Algebraic  manipulations  -  Analog  quotient  of 
two  digital  words. 

In  this  circuit,  two  CMOS  d/a  converters  are  used.  Converter 
Al  is  connected  in  the  forward  path  of  op  amp  A3,  producing, 
an  output,  Vi  =  -B  Vref,  where  B  is  the  fractional  binary 
value  corresponding  to  the  input  code.  Converter  A2  is  con- 
nected in  the  feedback  path  of  op  amp  A4,  producing  an  out- 
put, Vq  =  -Vi/A,  where  A  is  the  fractional  binary  value 
associated  with  A2's  input  code.  The  overall  relationship, 
therefore,  is 


vO  =  Vref 


(1) 


Vref  niay  be  of  any  value  in  the  range  ±10V,  B  may  be  any 

2Analog-Digilal  Conversion  Handbook,  D.H.  Sheingold,  ed.  [3rd  edition 
(1986),  published  by  Prentice  Hall.  Available  from  Analog  Devices,  Inc., 
Norwood  MA,  02062  P.O.  Box  796.] 

'"Application  Ideas  for  Multiplying  DACs,"  Analog  Dialogue  12-1,  1978. 


number  from  0  to  1023/1024,  in  steps  of  1/1024,  and  A  may 
be  any  such  number  from  1/1024  to  1023/1024.  Naturally, 
the  ratio  is  limited  to  values  for  which  the  output,  V0,  is 
within  bounds.  Vref  mav  be  positive  or  negative,  ac  or  dc, 
and  the  output  will  be  of  the  same  polarity. 

Like  analog  division  circuits,  this  circuit  has  an  output  error- 
characteristic  inversely  proprotional  to  the  denominator,  A. 

8-BIT-PROGRAMMABLE  SQUARE-WAVE 
OSCILLATOR 

Programmability  is  an  important  new  degree  of  freedom  in 
analog  circuit  and  system  design,  Virtually  any  circuit  para- 
meter can  be  made  digitally  controllable  with  little  difficulty, 
using  a/d  and  d/a  conversion  devices.  It  is  important  to  be 
aware  that  "digitally  controllable"  doesn't  necessarily  mean 
that  programmed  circuits  must  interface  with  computers, 
processors,  or  even  digital  systems.  In  many  cases,  the  digital 
input  can  be  provided  by  manually  operated  switches,  which 
need  not  be  fancy,  since  they  need  only  to  switch  binary  levels. 
This  circuit  and  those  that  follow  illustrate  a  variety  of  practi- 
cal examples  of  programmable  circuits. 

Figure  3  shows  an  8-bit  (255-frequency)  programmable  oscil- 
lator with  square-wave  output.  The  circuit  comprises  a  current- 
output  d/a  converter  (AD1408  family)  and  a  current-to- 
frequency  converter  (AD537  family).  The  digital  input  pro- 
duces a  linearly  related  current  from  the  DAC;  this  current, 
driven  directly  to  the  input  of  the  VFC,  produces  a  square- 
wave  that  has  a  frequency  proportional  to  the  numerical 
value  of  the  digital  input  word. 
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Figure  3.  8-bit  programmable  oscillator,  square-wave  output. 

The  AD1408-9  (9-bit-linearity)  DAC  is  scaled  for  1mA  full- 
scale  current  output,  to  match  the  1mA  full-scale  input  of  the 
AD537K.  The  1mA  reference  current  for  the  DAC  is  derived 
from  the  IV  reference  output  of  the  AD537,  buffered  by  the 
AD741  follower-connected  op  amp.  Since  the  basic  reference 
source  is  common  to  both  devices,  errors  due  to  its  drift  tend 
to  cancel  out. 
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A  polystyrene  capacitor  is  used  for  Ct,  and  its  tempco  is  com- 
pensated for  by  loading  the  AD537's  Vj  output  with  R34.  R3 
can  be  adjusted  to  trim  the  overall  system  tempco.  The  circuit, 
as  shown,  has  a  nominal  full-scale  frequency  of  10kHz  (9961Hz 
for  all-l's),  with  Q  =  0.01/liF.  Worst-case  nonlinearity  of  the 
specified  DAC-VFC  combination  is  0.16%.  The  output  is  a 
TTL-compatible  square  wave. 

PROGRAMMABLE  GAIN  TRIMMING  OR 
CALIBRATION 

It  is  usual,  in  the  design  of  devices  such  as  converters  or 
amplifiers,  to  concentrate  design  attention  on  linearity,  since 
gain  and  offsets  are  considered  to  be  reducible  errors.  Never- 
theless, in  high-precision  applications,  the  gain  must  eventually 
be  calibrated.  D/A  converters  are  improved  substitutes  for 
potentiometers,  if  the  gain  of  the  device-to-be-calibrated  is 
set  at  a  value  near  the  nominal  value,  and  the  programmed 
converter  provides  the  difference.  Calibration  can  be  performed 
automatically,  under  software  control,  with  the  required 
incremental  value  retained  in  a  counter  or  latched;  or  it  can 
be  performed  manually,  using  a  thumbwheel  switch. 
In  the  circuit  of  Figure  4a,  an  AD1408-9  (256  adjustment 
steps)  provides  the  incremental  adjustment  range  for  the' 
scale  factor  of  an  AD562  12-bit  DAC.  When  pin  5  of  the 
AD562  is  connected  to  a  10V  reference,  the  gain  will  be  0.2% 
high.  In  this  circuit,  a  programmable  0  to  -2/jA  current  applied  „ 
at  the  summing  point  will  provide  a  ±0.2%  range  of  gain  change 
in  15.6ppm/LSB  increments  (1/16  of  an  LSB  in  the  AD562). 
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(a)  D/A  gain  calibration. 
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(b)  Direct  reference  voltage  calibration. 
Figure  4.  Gain  calibration  methods. 

The  performance  of  the  components  used  to  achieve  this 
function  is  not  highly  critical,  since  their  contribution  to 
overall  gain  error  is  reduced  by  their  small  weighting.  The  use 

4  AD537  data  sheet,  page  4. 


of  this  scheme  with  an  AD562  DAC  is  a  simple  example,  but 
it  is  applicable  wherever  automatic  calibration  to  high  absolute 
accuracy  is  required.5  Coarser  steps  (fewer  bits)  could  have 
been  used  (6  bits  of  a  1408-7)  if  appropriate. 
In  Figure  4b,  a  related  scheme  is  used  to  calibrate  the  output 
of  a  buffered  reference  circuit.  The  basic  reference  is  an  AD581 
10V  bandgap  reference,  connected  as  a  2-terminal  "Zener 
diode",  in  the  feedback  path  of  an  op  amp.  The  1%  positive 
feedback  increases  the  output  voltage  to  10. IV,  and  the  2mA 
full-scale  output  from  the  AD1408-7  DAC,  flowing  in  the 
100S2  resistor,  can  reduce  the  output  voltage  to  about  9.9V. 
Thus,  the  adjustable  range  is  10V  ±0.1V,  in  increments  of 
about  780MV/bit,  for  8-bit  control. 

Amplifier  gain  can  also  be  trimmed  by  using  a  DAC  to  set  in- 
cremental gain  values  in  the  neighborhood  of  nominal  gain.  A 
typical  scheme  for  programming  inverting-amplifier  gain 
would  employ  a  CMOS  DAC,  with  its  input  attenuated,  in 
shunt  with  the  input  resistor  of  an  inverting  operational 
amplifier. 

PROGRAMMABLE  OFFSET 

A  programmed  constant  offset  (or  offset-zeroing  voltage)  can 
be  introduced  at  the  reference  input  of  an  instrumentation 
amplifier,  to  provide  an  output  offset,  independent  of  gain. 
Figure  5  shows  how  an  AD521  instrumentation  amplifier  might 
operate  in  conjunction  with  an  AD561  10-bit  d/a  converter. 
In  this  case,  the  nominal  full-scale  output  range  of  the  AD561- 
is  ±1V,  when  loaded  by  2.5ki2.  Larger  offset  ranges  than 
±1.67V  would  be  available  by  using  a  follower-with-gain  be- 
tween the  DAC  output  and  the  amplifier's  reference  input,  or 
by  providing  a  portion  of  the  AD521  gain  via  sense  feedback,5 
the  offset  would  be  amplified  by  the  same  amount.  Smaller 
offset  voltages  are  obtained  by  simply  reducing  Rx. 


Figure  5.  Programmable  offset  instrumentation  amplifier. 
4-20mA  CURRENT  CONTROLLER 

A  common  requirement  in  industry  is  for  transmission  of 
analog  data  in  the  form  of  a  4-20mA  current,  to  minimize  the 
effects  of  ground-potential  differences,  series  resistance,  and 
voltage-noise  pickup.  4mA  corresponds  to  zero,  20mA  to 
full  scale. 

sFor  another  example,  see  the  AD572  12-bit  ADC  data  sheet, 
Figure  11. 
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Figure  6.  Process  control  current  source. 


Figure  6  shows  a  circuit  to  accomplish  this  with  10-bit  resolu- 
tion. An  AD561  is  used,  in  conjunction  with  an  op  amp  and  a 
Darlington  transistor.  With  an  all-O's  digital  input,  the  lkS2 
offset  pot  is  adjusted  for  4mA  of  output  current.  With  all  l's, 
the  scale-adjust  pot  is  set  for  20mA  (or  19.98mA)  of  out- 
put current. 

Although  the  load  is  shown  here  as  being  referred  to  a  +1 5V 
supply,  it  may  —in  general—  be  returned  to  any  positive  voltage 
within  the  breakdown  rating  of  the  transistor  used.  The  diode 
protects  against  reverse-polarity  faults,  the  fuse  against  shorts. 
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4-20  mA  Digital  to  Process 
Current  Transmitter 


This  application  note  describes  a  three  IC,  4-20mA  process 
current,  digital-to-analog  converter  that  can  be  constructed 
at  low  cost.  It  operates  from  a -5V±1  V  negative  power  supply 
and  a  +23V  ±7V  positive  power  supply,  has  24V  output  vol- 
tage compliance,  and  occupies  less  than  4  square  inches  of 
printed  circuit  board  space.  Other  significant  features  include 
TTL  logic  input  compatibility,  8-bit  binary  coding,  0°  to 
+  70°C  operation,  and  5/is  full  scale  settling  time  into  a  500fl 
load. 

THEORY  OF  OPERATION 

A  fixed  current  of  0.5mA  is  added  to  a  DAC's  output  current 
varying  between  0  and  2.0mA  and  the  resulting  total  current 
is  multiplied  by  a  factor  of  8  to  produce  an  output  current  of 
4.0  to  20mA. 

In  the  schematic,  first  note  the  REF-01CJ,  a  +10V  ad- 
justable reference.  Its  output  goes  to  the  noninverting  input 
of  one  half  of  A3,  a  dual  precision  op  amp.  The  inverting  in- 
put is  within  a  feedback  loop  forcing  +10V  to  appear  at  the 
top  of  R4,  a  20kn  resistor;  a  0.5mA  current  will  flow  in  R4 


through  Q1,  a  high  hFE  transistor.  The  same  +10V  is  applied 
to  R3,  the  reference  input  resistor  of  a  multiplying  IC  D/A 
converter,  the  DAC-08.  Full  scale  output  current  of  the  DAC 
will  be  the  difference  in  voltage  between  the  +10V 
reference  and  Pin  14  of  the  DAC  divided  by  R3;  Pin  15  will  be 
at  the  same  voltage  as  Pin  14  because  it  is  a  high  im- 
pedance point,  the  noninverting  input  of  an  op  amp  internal 
to  the  DAC.  After  calibration  a  current  of  0  to  2mA  (depen- 
ding on  the  digital  input  code)  will  flow  into  the  DAC's  out- 
put, Pin  4. 

Both  the  DAC's  output  current  and  the  fixed  0.5mA  flow  in 
R5,  a  800!)  precision  resistor.  The  voltage  developed  by  that 
current  is  applied  to  the  noninverting  input  of  the  other  half 
of  A3  and  will  also  appear  across  R6,  a  100U  precision 
resistor.  Thus,  eight  times  the  0.5  to  2.5mA  current  in  R5 
flows  in  R6,  or  4  to  20mA.  Almost  all  of  this  current  appears 
at  the  output  because  the  2N6053  is  a  high  hFE  device,  a 
power  darlington  transistor. 

Some  other  components  need  explanation.  C1  provides  fre- 
quency compensation  of  the  DAC's  reference  amplifier;  C2 


SCHEMATIC  DIAGRAM 


O  Vcc  +16V  TO  +30V 


TRIM 
GND 


50ki2 
ZERO 
ADJUST 
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moD  Lot 

.  14444444 


0.5  TO     S  H& 
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50k« 
I  FULL  SCALE 
> ADJUST 


12 


B1  B2  B3  B4  85  B6  B7  B8 
VREFW 

DAC-08CQ 


VREF<"> 


A2 


3  CI 
0.VF 


r 


m  6 

-5V±1V 


OUTPUT  VOLTAGE 
COMPLIANCE  (Vqc) 


ioon 

±0.1% 
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and  C3  are  power  supply  decoupling  (bypass)  capacitors;  C4 
prevents  high  frequency  oscillations.  D1  through  D4  insure 
at  least  2.5V  differential  between  the  op  amp's  inputs  and 
all  conditions.  R1  and  R2  are 
lively. 


design  is  tolerant  of  wide  power  supply  variations,  has  high 
voltage  compliance,  and  is  easily  calibrated.  Reliability  and 
cost  are  optimized  by  using  only  three  integrated  circuits, 
the  Precision  Monolithics  DAC-08,  REF-01,  and  OP-14,  plus 
a  few  readily  available  discrete  components. 


CALIBRATION  PROCEDURE  REFERENCE 

Crowley,  B.,  "Circuit  Converts  Voltages  to  4-20mA  For  In- 
dustrial Control  Loops,"  Electronic  Design,  Jan.  5,  1976, 
page  116. 


Apply  +23V  ±7V  and  -5V  ±1V  to  the  converter  with  a 
current-measuring  meter  connected  between  the  output  and 
ground.  Make  the  digital  inputs  all  zeros,  <  +  0.8V.  Adjust 
R1  until  the  output  current  is  4.0mA.  Now  change  the  digital 
inputs  to  all  ones,  >  +2.0V.  Adjust  R2  until  the  output  cur-  PARTS  LIST 
rent  is  20mA.  Calibration  is  now  completed. 


OUTPUT  VOLTAGE  COMPLIANCE 

Output  voltage  compliance  is  Vcc  -6V.  For  example,  at  Vcc 
=  +  16V,  the  output  may  go  to  a  maximum  of  + 1 0V  without 
affecting  output  current.  Thus,  a  5008  resistor  would  be  the 
maximum  load  resistor  at  Vcc  =  +30V,  V0c  =  24V,  and  RL 
Maximum  =  1.2kO. 

SCALE  MODIFICATION 

Although  the  values  shown  are  for  the  more  common 
4-20mA  requirement,  operation  at  1-5mA  or  10-50mA  may  be 
achieved  by  changing  some  components.  For  10-50mA, 
change  R6  to  40JJ;  this  makes  the  multiplying  factor  20  in- 
stead of  8.  For  1-5mA,  replace  the  2N6053  with  a  2N5087, 
and  change  R6  t 

CONCLUSION 

A  simple,  low-cost  process  current  converter  has  been 
shown  with  wide  application  in  the  controls  industry.  The 


Circuit 
Symbol(s) 


Description 


A1 


+  10V  Reference,  PMI  REF-01  CJ 


A2 


8-Bit  DAC,  PMI  DAC-08CQ 


A3 


Dual  Op  Amp,  PMI  OP-221 


C1-C3 


O.yF  +80%/ -20%  50V,  Type  CK-104 


C4 


100pF  ±5%  Mica,  DM100ED101 J03 


D1-D4 


Power  Diode,  1N4001 


Q1 


NPN  Transistor,  2N3904 


Q2  PNP  Power  Darlington,  Motorola  2N6053 

W  50kn  Potentiometer,  Bourns 

#3006P-1-503 


R3 




R4 


40200  ±1%,  RN55C4021F 






20kfl  ±1#,  RN55C2002F 


_R5  800Q  ±0.1%,GR#8E16D800  

R6  1000  ±0.1%,  GR#8E16D100  

- 





8-76   DIGITAL-TO-ANALOG  CONVERTERS 


ANALOG 
DEVICES 


AN-23 
APPLICATION  NOTE 


ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


D/A  Converter 
Generates  Hyperbolic  Functions 


Measurement  and  control  systems  frequently  require  fine  re- 
solution around  a  setpoint  with  wide  dynamic  ranging  capability. 
This  can  be  satisfied  by  systems  designs  which  use  a  high 
resolution,  strictly  linear  approach;  but  this  is  costly  and  often 
unnecessary.  Nonlinear  function  fitting  using  multiplying  digital- 
to-analog  converters  i  DAC'si  offers  a  desirable  alternative  by 
being  both  simpler  and  more  cost-effective.  This  application 
note  describes  how  extended  range  hyperbolic  functions  of  the 
type  A/X  or  — A/X  (where  "A"  indicates  an  analog  constant,  while 
"X"  represents  a  decimally-expressed  digital  divisor)  are  easily 
generated  by  just  two  lowcost  I.C.'s;  an  operational  amplifier  and 
a  multiplying  DAC.  Circuit  configurations  are  provided  for  each 
polarity  output  along  with  dynamic  performance  photographs 
and  general  design  guidelines  for  either  binary  or  BCD-coded 
divisors. 


THEORY  OF  OPERATION  (A/X) 

Figure  1a  shows  the  A/X  function  circuit  which  uses  a  two-digit 
BCD-coded  DAC,  the  DAC-20EX,  and  a  decompensated,  wide- 
bandwidth  op-amp,  the  OP-17.  A  constant  current,  I  constant, 
equal  to  the  value  of  one  least  significant  bit  i  LSB  i,  flows  into  the 
DAC  output  terminal,  l0.  Simultaneous  adjustment  of  the  scale 
factor  and  output  amplifier  offset  voltage  is  enabled  by  a  multi- 
turn,  low  tempco  potentiometer,  R5,  which  adjusts  current — lR 
producing  voltage  — VR  across  R2.  The  LSB  value  | scale  factor) 
equals  — VR/R1. 

Zener  diode,  Dz,  provides  a  stable  reference  voltage  source. 
Because  feedback  for  the  op  amp  is  through  the  DAC,  capacitors 
C1  and  C2  are  added  to  provide  proper  phase  compensation. 
Reference  resistor  R3  is  determined  by  the  scale  factor  and  the 
maximum  current  allowed  into  the  DAC  reference  input  VR+.  Bias 


TOP  TRACE  =  CLOCK 

LOWER  TRACE-*  THRU  - 
1  10 
{CODES  0000  0001  THRU  0001  0000) 


TOP  TRACE  =  CLOCK 
LOWER  TRACE  --THRU* 

3  22 

(CODES  0000  0011  THRU  0010  0010) 


TOP  TRACE  =  CLOCK 


[CODES  0000  0001  THRU  1001  1001) 


Figure  1.  A/X  Function  Generator 
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current  compensation  for  the  DAC  reference  amplifier  is  ac- 
complished by  R4. 

Figures  1b,  1c,  and  1d  show  dynamic  performance  of  circuit  1a  2. 
when  the  digital  inputs  are  swept  by  an  external  BCD  up-counter 
with  codes  of  0000  0001  through  1001  1001  (division  by  zero  is 
not  allowed). 

3. 

THEORY  OF  OPERATION  (— A/X) 

The  circuit  configuration  for  the  —A/X  function  is  shown  in 
Figure  2a.  It  is  quite  similar  to  that  of  Figure  1  a  with  both  the  DAC 
reference  amplifier  and  output  amplifier  terminals  reversed. 
Capacitors  C1  and  C2  provide  phase  compensation.  Figures  2b,  4 
2c,  and  2d  show  dynamic  performance  of  circuit  2a. 

DESIGN  CONSIDERATIONS 

1.  Circuit  speed  and  settling  time  are  dictated  by  output  op 
amp  slew  rate,  scale  factor,  and  compensation.  Use  of 
slower  amplifiers  considerably  increases  the  illustrated  set- 


tling times.  Effective  slew  rate  of  circuit  1a  is  3V//iS,  while 
circuit  2a  slews  0.6V/fiS. 

Layout  and  breadboarding  of  high  gain,  wide-bandwidth 
devices  necessitates  considerable  care  with  a  ground  plane 
with  single  point  grounding  being  highly  desirable.  De- 
coupling capacitors  located  close  to  the  devices'  supply 
inputs  are  essential. 

Accuracy  of  the  circuit  is  within  1%  over  the  0°C  to 
+  70°C  temperature  range  with  1%  metal  film  resistors 
R1,  R2  and  R3.  DAC  linearity  becomes  an  important 
factor  as  the  divisor  decreases;  for  this  reason  1/4  LSB 
linear  DACs  are  recommended. 

Binary  coding  may  be  accomplished  by  substituting  an  8-bit 
binary-coded  DAC-08EX  for  the  two-digit  BCD-coded  DAC- 
20EX.  In  addition  to  adjusting  circuit  values  however,  a 
higher  performance  op  amp  such  as  the  OP-1 7F  is  desirable 
because  the  output  amplifier's  input  offset  voltage  drift 
becomes  a  more  significant  error  source  for  overall  scale 
factor  stability  over  temperature.  This  is  due  to  the  increased 
resolution  of  the  binary  coding. 
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Figure  2.  -A/X  Function  Generator 
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Understanding  LOGDACs 


INTRODUCTION  TO  THE  ANTILOG  D/A  CONVERTER 

Analog  Devices'  AD71 00  Series  LOGDACs  are  CMOS  mul- 
tiplying DACs  characterized  by  an  exponential  (anti- 
logarithmic)  digital-to-analog  transfer  function. 

Perhaps  the  easiest  way  to  visualize  what  a  LOGDAC® 
does  is  to  compare  it  to  two  well-known  circuits— the 
classic  3-terminal  potentiometer  and  a  CMOS  multiply- 
ing DAC  (digitally  controlled  potentiometer).  As  shown 
in  Figure  1a  through  Figure  1c,  the  transfer  function  of 
the  three  circuits  is  of  the  form: 


Vqut  =  aV 


IN 


EQN1 


WHERE: 
a  =  attenuation  factor 

0==a£l 

In  each  case  shown  in  Figure  1,  a  is  a  dimensionless 
number  which  can  range  from  0  (maximum  attenuation) 
to  approximately  1  (minimum  attenuation).  Additionally, 
each  circuit  has  an  analog  input  (V|N),  an  analog  output 
(Vout)  and  a  mechanism  for  controlling  the  attenuation 
factor  a. 

The  above  in  conjunction  with  Figure  1a  through  Figure 
1c  illustrates  the  similarity  of  the  pot,  M-DAC  and  LOG- 
DAC  functions.  How,  then  does  the  LOGDAC  DIFFER  from 
the  linear  M-DAC? 


The  answer  is  resolution.  The  basic  differentiating  feature 
of  the  LOGDAC  versus  the  linear  multiplying  DAC  is  the 
way  resolution  is  specified. 

RESOLUTION  OF  LOGDACs  VERSUS  LINEAR  DACs 

From  Figure  1b,  the  attenuation  factor  a  of  a  linear  DAC 

is: 


-(£) 


EQN2 


 1 


a  registered  trademark  of  Analog  Devices.  Inc 


WHERE: 

n       =    Numberof  digital  input  bitsto the  DAC 
N      =    Integer  value  of  DACs  digital  input 

NOTE:  Many  treatments  of  multiplying  DACs  label  the  at- 
tenuation factor  "D"  where  the  digital  input  "D" 

is: 


D  =  a  = 


=  BitI  +  Bit2  + 
2i  22 


WHERE:  Bit  1  through  Bit  n  =  1  orO 
n  =  Numberof  bits 

Since  N  was  postulated  to  be  an  integer,  the  smallest 
possible  change  of  N  is  plus  or  minus  one  count.  The  reso- 
lution of  a  is,  therefore,  ±  1  part  in  2n  or  1  part  in  full 
scale.  Important  to  realize  is  that  the  voltage  resolution  of 
a  linear  DAC  is  the  same  (barring  differential  nonlinearity 
effects)  at  all  points  on  itstransferfunction. 


-OVout 


v«"=(ht+ti;)iv"" 


FORM: 

Vout  =  «V,N 


WHtHt:  o 
a  =  ATTENUATION  FACTOR  =  (R  +'  R J 

Figure  la.  Three  Terminal  Pot 

The  resolution  of  a  LOGDAC  is  different,  however.  The 
following  discussion  shall  endeavor  to  show  that  a  LOG- 
DACs voltage  resolution  is  different  at  all  points  on  its 
transfer  function,  i.e.,  barring  differential  nonlinearity  ef- 
fects, the  resolution  expressed  as  a  percent  of  reading 
(not  percent  of  full  scale)  is  constant  throughout  the  LOG- 
DACs range. 
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)  VouT 


WHERE: 

N  =  Integervalueof  DACsdigital  input 
forADVIlb:  0«Ns19? 
forAD7111:  0sNs239 
forAD7118:    0-  N  -  59 


r    =  LOGDAC  resolution  in  dB 

7 


VoUT  =  " 

FORM: 

VOUT  = 

-«V,N 

WHERE: 

forAD7111: 
forAD7118: 


r  =  0.375 
r=  1.5 


a  m  ATTENUATION  FACTOR  =  (—  ) 

n  =  NUMBER  OF  DIGITAL  INPUT  BITS 
N  =  DIGITAL  INPUT(0fNs2"-1l 

EXAMPLE:    FOR  8-BIT  DAC 
n  =  8.  2"  =256 
0«N«255 


Taking  the  LOG  of  both  sides  of  EQN4  gives : 

-(g) 

20LOG,0a  =  -rN 


Figure  lb.  Linear  Multiplying  DAC  (Digitally  Controlled 
Pot) 





-O.MrN 

Vout=  -V 

nIIO) 

FORM: 

V„UT  = 

WHERE: 

o  =  ATTENUATION  FACTOR  =  10 


N  =  DIGITAL  INPUT 

FORAD7111:  0sNs239 


f"  .       .     .-  .'It 


FOR  AD7118:  0sNs59 
FORAD7115:  0sNs199 

r  -  LOGDAC  RESOLUTION  IN  < 


Figure  1c.  LOGDAC  (Digitally  Controlled  Pot) 

From  Figure  1c,  the  LOGDACs  attenuation  factor  a  is  an 
exponential  function  (antilog)  of  the  basic  form: 


y  =  a" 


EQN3 


If  base  number  10  is  chosen  (other  base  numbers  can  be 
used,  incidentally),  the  attenuation  factor  a  for  the  LOG- 
DAC of  Figure  1  c  becomes: 


10 


^20' 


Jnf.'inooei        i  '  -<  k  It 


EQN4 


«dB  : 


-rN 


EQN5 


From  EQN5,  it  is  readily  apparent  that  a  plus  one  count 
change  of  N  causes  an  attendant  -  (r)dB  change  in  the  at- 
tenuation factor  a  (and  thus  also  a  -  (r)dB  change  in  the 
DAC's  output  voltage). 

Figure  2  is  a  graph  of  the  general  LOGDAC  transfer  func- 
tion for  the  circuit  of  Figure  1c.  It  shows  quite  simply  that 
increasing  the  digital  input  N  causes  a  decrease  in  the  out- 
put voltage  Vout- 

Additionally,  it  shows  the  nonlinear  re- 
lationship of  VOUT  relative  to  N.  Figure  3  is  an  expanded 
section  of  the  transfer  function  shown  in  Figure  2.  It  illus- 
trates the  fact  that  the  ratio  of  any  two  adjacent  LOGDAC 
output  voltage  levels  is  the  same  throughout  the  transfer 
function.  To  further  amplify  the  significance  of  this  point, 
consider  that  a  +  one  count  change  in  the  digital  input  N 
causes  the  output  voltage  to  decrease  in  amplitude  by  a 
fixed  ratio  relative  to  where  it  was  before  the  change.  (At 
all  points  on  itstransferfunction  . . .)  Thus,  we  have  a  DAC 
with  percent  of  reading  resolution  as  opposed  to  the  line- 
ar DAC  which  defines  resolution  in  terms  of  percent  of full 
scale. 
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Figure  2.  LOGDAC  D/A  Transfer  Characteristic 

To  summarize,  a  linear  DAC's  voltage  resolution  is  fixed 
throughout  its  transfer  function.  However,  the  LOGDAC 
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Figure  3.  Expanded  LOGDAC  Transfer  Function  Illus- 
trating the  Concept  of  %  of  Reading  Resolution 

exhibits  a  continuously  variable  output  voltage  resolution 
throughout  its  transfer  function  range.  The  LOGDAC's 
voltage  resolution  is  coarsest  at  or  near  full  scale  (OdB) 
and  finest  at  or  near  0  scale  (mute).  Table  I  shows  the  equi- 
valent percent  of  reading  resolution  for  various  Analog 
Devices  LOGDACs. 


dB  Resolution 

%  of  Reading  Resolution 

Model 

(AN=±1  Count) 

(AN  =  + 1  Count) 

(AN=-1  Count) 

AD7118 

±1.5dB 

-15.9% 

+  18.9% 

AD7111 

±0.375dB 

-4.2% 

+  4.4% 

AD7115 

±0.1dB 

-1.1% 

+  1.2% 

Table  I. 


Figure  4.  ANTILOG  D/A  Converter  (Negative  Exponent) 

Features  of  the  circuit  of  Figure  4  include: 

1 .  It  provides  dB  attenuation  of  V0ut  relative  to  V,N  as  de- 
termined by  the  digital  word  N.  (i.e.,  output  range  is 
OdB  to  -  dB) 

2.  The  circuit  provides  %  of  reading  resolution. 

3.  The  analog  input  can  be  voltage  or  current,  ac  or  dc, 
positive  or  negative  polarity  -  i.e.,  the  circuit  is  basi- 
cally a  CMOS  multiplying  DAC. 

ANTILOG  DAC  (Exponential  with  Positive  Exponent) 

The  c  rcuit  of  Figure  5  is  analogous  to  a  multiplying  DAC 
divider  circuit.  It  provides  signal  gain  of  V0ut  relative  to 
V|N  as  determined  by  the  equations: 


VIN10 


(-) 

l20' 


and/or 


V0ut=  -VINe 


M0.11512rN) 


EQN8 


EQN9 


BASIC  CIRCUIT  CONFIGURATIONS 

ANTILOG  DAC  (Exponential  with  Negative  Exponent) 

The  circuit  of  Figure  4  generates  output  voltage  levels  as 
determined  by  the  equations: 


-(£) 

-V,N10  [" 


and/or 


V0ut=  -V,Ne 


(0.11512rN) 


WHERE: 


LOGDAC  resolution  in  dB 
forAD7118:  r=1.5 
forAD7111:  r  =  0.375 

forAD7115:  r  =  0.1 

Integer  equivalent  of  digital  input 
forAD7118:  0sNs59 
forAD7111:  0sN==239 
forAD7115:  0sNs199 
ac  or  dc  input  voltage 
(nominal  range  ±  10V) 


EQN6 


EQN7 


^jVouT 

\+/^ 

VAGND 

Figure  5.  ANTILOG  D/A  Converter  (Positive  Exponent) 

Basically,  the  analog  input  or  reference  voltage  is  applied 
to  the  on  chip  feedback  resistor  (RFB)  and  the  amplifier 
output  is  connected  to  the  V,N  terminal  of  the  LOGDAC. 
The  LOGDAC  then  ends  up  in  the  amplifier's  feedback 
loop,  thus  the  circuit  provides  dB  gain  of  V0ut  relative  to 
V|N  as  determined  by  the  digital  input  N  (i.e.,  V0ut  range 
is  OdB  to  positive  dB).  As  does  the  negative  exponential 
DAC  of  Figure  4,  this  circuit  provides  %  of  reading  resolu- 
tion. 
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LOG  OR  LOG  RATIO  ADC 

The  circuit  of  Figure  6  provides  an  ADC  function  while  per- 
forming a  LOG  compression.  Itstransferfunction  is: 


N  =  (^)  ^20LOG10 

-VIN 
VREf 

) 

OR 

N  _(8.68659^|n 

-V1N 

vREF 

) 

 . 


z,  ,x 


EQN10 
EQN11 


COMPARATOR 


{DIGITAL 
OUTPUT 
N 


If  the  digital  answer  N  (of  EQN10)  is  multiplied  by  -  r,  the 
numerical  value  obtained  is  the  dB  value  of  the  absolute 
value  of  V|N  relative  to  Vref  (answer  OdB  to  — dB). 

If  the  digital  answer  N  (of  EQN11)  is  multiplied  by  -rl 
8.68659,  the  numerical  value  obtained  is  the  natural  log  of 
the  absolute  value  of  V,N  relative  to  VREF. 

Circuit  Constraints: 

1 .  V|N  and  VREF  must  be  of  opposite  polarity 

2.  V|Ns|VREFj 


Figure  6.  Log  or  Log  Ratio  A/D  Converter 
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A  Digitally  Programmable  Gain  and  Attenuation  Amplifier  Design 

by  James  Wong 


By  adding  two  resistors  to  the  output  amplifier  feedback  loop  of 
a  current  output  D/A  converter,  you  can  get  gain  control  in 
addition  to  attenuation  control.  Figure  1  shows  a  complete 
digitally  programmable  amplifier  that  is  capable  of  producing 
gain  as  well  as  attenuation  in  the  range  of  1/64  to  64.  The  circuit 
derives  its  range  by  using  a  12-bit  CMOS  D/A  converter. 

The  design  is  based  on  the  fact  that  the  transfer  function  from 
the  input  to  the  output  of  the  D/A  converter  is  purely  voltage 
attenuation.  Connecting  the  two  resistors  R,  and  R2  in  a  "T" 
configuration  inside  the  feedback  loop  of  the  output  amplifier 
produces  a  voltage  gain  from  the  resistor  junction  to  the  output. 
If  R,  is  much  smaller  than  RFB  (in  this  case  RFB  is  11kQ),  then 
the  gain  produced  is  approximately  equal  to  1  +  R2/Rr  or  64. 
The  result  is  a  programmable  gain  amplifier  that  has  a  transfer 
function  of: 
D 


-(- 


(64), 


v  '     1  4096  ' 

where  D  represents  the  binary  weighted  digital  code  of  the  D/A 
converter. 

Of  course,  the  added  gain  of  the  T-network  does  increase  the 
noise  gain  of  the  circuit.  Be  sure  to  choose  a  low  noise  amplifier 
to  begin  with. 

By  using  a  low  noise,  high-frequency  op  amp  such  as  the  OP- 
61 ,  besides  keeping  noise  level  down,  it  gives  the  circuit  a  wide 
bandwidth  performance  even  at  high-gain  settings. 


10Ok  1M 
FREQUENCY  (Hz) 


FIGURE  2:  Gain  vs.  Frequency  Response  for  the  Twelve 
Binary  Gain  Settings 


Figure  2  shows  the  frequency  response  of  the  programmable 
gain  circuit  at  various  gain  settings.  At  high  gains,  the  amplifier 
has  1MHz  bandwidth.  At  gains  below  1/4,  the  D/A  converter's 
stray  capacitance  feedthrough  limits  the  amplifier  bandwidth, 
while  still  achieving  20kHz. 


+5V 
0.1|lF  0 


INPUT  O— 


R2 
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FIGURE  1 :  Two  Resistors  R,  and  R2  Add  a  Gain  of  64  to  the  D/A  Converter,  Resulting  in  a  Simple  Digitally  Programmable 
Gain  Amplifier 


DIGITAL-TO-ANALOG  CONVERTERS  8-83 


8-84    DIGITAL-TO-ANALOG  CONVERTERS 


ttoca  .OAO  aril  U  uste-iebnt.'  y^ese  oT  OAO  sril  to  ylii6&ml  adl 

A  M.I  y 


ANALOG 

DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 

Voltage  Adjustment  Applications  of  the  DAC-8800  TrimDAC® 

Art  n<v»nl    Q  Dt+  n/ A  rnnimrfar 


An  Octal,  8-Bit  D/A  Converter 

by  Joe  Buxton 


The  DAC-8800,  a  monolithic  octal  8-bit  digital-to-analog  converter, 
is  a  digitally-controlled  voltage  adjustment  device.  The  DAC's 
design  makes  it  ideal  for  replacing  trimming  potentiometers  in 
many  applications.  Not  only  does  it  replace  potentiometers,  but 
the  DAC  has  many  advantages  over  them,  such  as  solid  state 
reliability,  very  low  drift  over  temperature  and  time,  elimination  of 
shifts  due  to  vibrations,  and  automating  the  adjustment  process. 
During  manufacture  of  complex  electrical  systems,  potentio- 
meters must  be  manually  adjusted  taking  considerable  time  and 
cost  for  labor,  or  expensive  robotic  systems  must  be  developed 
for  the  same  purpose.  However,  the  DAC-8800  can  automate  the 
system's  voltage  adjustments  so  that  acomputer  can  nowcontrol 
the  calibration. 

This  application  note  first  describes  the  basic  architecture  and 
operating  modes  of  the  DAC-8800,  including  the  reference  input 
range  limits,  the  load  that  the  DAC  placeson  the  references,  single 
supply  operation,  and  serial  interfacing.  The  last  half  of  this  note 
shows  many  basic  circuits  for  using  the  DAC  in  a  wide  variety  of 
applications,  such  as  two  wire  interfaces  and  stand-alone  opera- 
tion for  systems  not  based  on  digital  controllers.  Also  included 
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are  techniques  for  adjusting  the  offset  of  operational  amplifiers; 
using  two  DAC  outputs  together  for  coarse  and  fine  control  of  a 
voltage;  digitally  changing  the  gain  of  a  voltage-controlled 
amplifier;  and  trimming  voltage  references. 

BASIC  ARCHITECTURE 

As  the  functional  diagram  shows  in  Figure  1 ,  the  DAC-8800  has 
eight  individual  DACs  divided  into  two  groups  of  four,  each  group 
having  its  own  high  and  low  reference  inputs.  Each  DAC's  output 
is  independently  controlled  by  a  serial  interface  through  which 
the  8-bit  data  word  and  3-bit  address  are  loaded. 

Each  of  the  DACs  contains  an  R-2R  ladder  connected  between 
the  high  and  low  reference  inputs  as  shown  in  Figure  2.  The  output 
voltage  is  set  by  the  position  of  the  switches  according  to  the 
formula  below: 

Vout(D)  =  D  x  (VREFH  -  VREFL)/256  +  VREFL 
where  D  is  the  digital  code. 

As  this  equation  shows,  the  output  can  vary  from  VREFL  to  VREFH 
in  256  steps.  It  is  significant  that,  while  the  output  voltage  can 
vary  over  this  range,  the  DAC-8800's  output  impedance  is  always 
equal  to  a  constant  Rout,  the  characteristic  resistance  of  the 
ladder.  Rout  is  typically  1 2ki2  but  can  vary  between  8kfi  and  1 6kfi 
from  device  to  device.  The  DAC's  accuracy  depends  not  on  the 
absolute  value  of  the  ladder  resistors  but  rather  on  the  relative 
resistor  matching.  Thus,  variations  in  output  impedance  do  not 



N-CH 


VrefHc- 


2R 

vW— f-ovour" 


-Rout 
constant 

INDEPENDENT 
OF  DIGITAL 
INPUT  CODE 
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FIGURE  2:  DAC-8800  R-2R  Ladder  Network 


FIGURE  1 :  DAC-8800  Block  Diagram 


TrimDAC  is  a  registered  trademark  of  Analog  Devices,  Inc. 
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affect  the  linearity  of  the  DAC.  To  easily  understand  the  DAC,  each 
output  can  be  thought  of  as  a  Thevenin  equivalent  circuit  of  a 
voltage  source  in  series  with  Rout  as  in  Figure  3,  where  Rout  is 
1 2k£l.  The  digital  code  then  varies  the  voltage  source  between 
VREFLandVREFH. 


FIGURE  3:  Thevenin  equivalent  of  each  DAC  c 
is  typically  12kCl. 


ut.  ROUT 


REFERENCE  INPUT  LIMITS 

The  switches  in  the  R-2R  ladder  are  N-channel  enhancement 
MOSFETs  with  extremely  low  ON  resistance.  To  ensurethe  DAC's 
linearity,  the  MOSFETs'  gate-to-source  voltage  (VGS)  needs  to  be 
greater  than  the  switches'  intrinsic  threshold  voltage,  which  for 
the  DAC-8800  is  2.5V.  When  the  voltage  falls  below  2.5V  the 
MOSFETs'  ON  resistance  increases,  which  causes  resistance 
mismatching  in  the  R-2R  ladder.  Any  mismatching  degrades  the 
precise  R-2R  ratios  and  thus  decreases  the  linearity  of  the  DAC. 

In  the  DAC-8800,  the  gate-to-source  voltage  is  equivalent  tothe 
voltage  difference  between  Vprj  and  VREFH,  respectively.  Fig- 
ure 2  shows  that  VREFH  is  connected  to  the  drain  of  the  MOSFET 
switches,  and,  when  the  switches  are  on,  the  drain  voltage  is 
basically  equivalent  to  the  source  voltage.  The  gate  voltage  is 
driven  by  CMOS  logic,  and  when  the  switch  is  on,  the  logic  con- 
nects the  gate  to  VDD.  Thus,  VREFH  must  be  at  least  2.5V  below 
VDq,  as  shown  in  Figure  3  of  the  DAC-8800's  data  sheet.  However, 
to  guarantee  the  data  sheet  error  specifications  over  -55°C  to 
+1 25°C,  the  gate-to-source  voltage  needs  to  be  at  least  4V.  There 
is  no  similar  limitation  between  the  reference  input  and  the 
negative  supply,  V$s-  Thus,  the  reference  inputs  can  go  to  Vss- 
An  important  note:  because  of  internal  protection  diodes  in  the 
DAC,  VREFL  should  not  be  allowed  to  go  higher  than  VREFH. 
Forward  biasing  these  diodes  allows  large  currents  to  flow  be- 
tween the  two  references,  potentially  resulting  in  permanent 
damage  to  the  DAC-8800. 


T 


FIGURE  4:  IrepH  variation  versus  digital  code.  One  of  four 
DACs  connected  to  VREFH.  The  other  3  DACs  are  loaded 
with  zero  code. 


REFERENCE  INPUT  CURRENT  CHANGES  WITH  DIGITAL 
CODE 

As  the  digital  code  changes,  the  resistance  looking  into  the  ref- 
erence input  changes  significantly.  Figure  4  shows  the  current 
demand  into  the  VREFH  pin  as  a  function  of  the  digital  code  for 
one  of  the  four  DACs  referenced  from  that  pin.  This  graph  was 
generated  with  the  following  conditions:  V0D  =  +12V,  Vss  =  OV, 
VREFH  =  +5V,  and  VREFL  -  OV.  As  can  be  seen,  the  load  on  the 
reference  varies  from  zero  to  400u.A.  With  all  four  DACs  operat- 
ing, the  load  current  can  go  up  to  a  maximum  of  1 ,6mA.  It  is  im- 
portant to  keep  in  mind  that  the  current  changes  in  abrupt  steps. 
Thus,  in  applications  where  speed  is  important,  any  device  driving 
the  reference  pin  must  be  capable  of  handling  these  step  current 
changes.  A  fast  recovery  op  amp  (such  as  the  OP-42)  or  refer- 
ence is  recommended. 

THE  DAC-8800  CANNOT  BE  USED  AS  A  VARIABLE 
RESISTOR 

At  first  glance  the  DAC-8800  might  appear  to  be  ideal  for  use  as 
a  variable  resistor  from  its  output  to  VREFL,  where  VREFL  is  tied 
to  ground  and  VREFH  left  floating.  However,  its  internal  structure 
was  not  designed  forthis.  The  reason  is  two  fold.  First,  the  resis- 
tance from  the  DAC's  output  to  VREFL  does  not  vary  linearly  with 
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FIGURE  5:  DAC-8800  Bandwidth  Under  Different  Gains 
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FIGURE  6:  DAC-8800  OFF  Isolation 
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FIGURE  7:  DAC-8800  Crosstalk 


the  digital  code.  Rather,  it  changes  erratically,  similar  to  the  way 
the  reference  current  changes  in  Figure  4.  These  seemingly  ran- 
dom changes  are  due  to  various  switches  connected  to  Vr^fH 
turning  on  in  binary  fashion  rather  than  sequentially  and  creating 
alternate  current  paths  from  the  output  to  VREFL. 

Second,  the  NMOS  switches  are  not  bi-directional.  In  this  vari- 
able resistor  configuration,  the  switches  connected  to  VrefH 
would  actually  have  current  flowing  in  reverse  direction  from  the 
source  to  the  drain.  They  maintain  their  low  ON  resistance  only 
when  current  is  flowing  normally  from  the  VrefH  side  (the  drain) 
towards  the  output  (the  source).  In  backwards  operation  the 
source  voltage  causes  changes  in  the  ON  resistance.  Thus,  any 
change  of  the  voltage  on  the  DAC's  output  will  change  the  ON 
resistance  and  ultimately  change  the  resistance  to  ground,  even 
at  the  same  digital  code.  Obviously,  the  DAC-8800  was  designed 
to  work  as  a  voltage  attenuator,  and  not  as  a  variable  resistor. 

AC  MULTIPLYING  MODE  OPERATION 

The  DAC-8800  is  designed  primarily  as  a  DC  adjustment  device. 
However,  it  can  also  be  used  in  multiplying  mode  by  applying  an 
AC  signal  to  the  reference  input.  In  such  applications,  bandwidth, 
off-isolation,  and  crosstalk  are  important  to  the  circuit's  perfor- 
mance. The  bandwidth  of  the  DAC-8800  is  limited  by  the  ladder 
resistance  and  the  internal  capacitance,  which  are  both  specified 
in  the  data  sheet.  The  typical  resistance  of  1 2kfi,  combined  with 
the  reference  capacitance  of  75pF,  limits  the  bandwidth  to  1 77kHz. 
Figure  5  shows  actual  network  analyzer  measurements  of  the 
-3dB  bandwidth,  which  for  this  particular  part  occurs  at  360kHz. 
The  fact  that  the  measured  bandwidth  is  twice  the  typical  points 
out  how  the  bandwidth  can  vary  due  to  varying  capacitance  and 
resistance  from  device  to  device.  The  worst  case  bandwidth  is 
approximately  1 00kHz  based  on  worst  case  resistor  and  capacitor 
values  of  1 6kn  and  1 0OpF,  respectively.  Remember,  as  men- 
tioned in  the  reference  input  limits  section,  VrEfH  cannot  go 
below  VrefL.  Any  AC  signal  into  VREFH  must  be  biased  to  avoid 
this  condition. 

The  off  isolation  of  the  DAC-8800,  shown  in  Figure  6,  was  mea- 
sured using  an  AC  signal  for  VrEEH  and  measuring  an  associ- 
ated DAC  output  with  all  the  bits  off.  The  off  isolation  reveals  how 
much  of  the  input  signal  will  feed  through  to  the  output.  An  inter- 
esting correlation  can  be  made  between  this  graph  and  the 
bandwidth  graph  of  Figure  5,  for  the  1 1\ 6  scale  measurement. 
The  1  f\ 6  scale  shows  a  1 0dB  rise  in  the  gain  above  1 00kHz.  This 
is  actually  due  to  the  capacitive  feedthrough  of  the  DAC-8800. 

The  crosstalk  versus  frequency  graph  in  Figure  7  was  measured 
as  the  crosstalk  from  one  set  of  four  DACs  to  the  other  set  of 
four  DACs  in  the  package.  In  other  words,  DACs  A  through  D 
were  set  to  full  scale,  and  a  frequency  dependent  signal  was  in- 
jected into  their  VREFH  input.  The  crosstalk  was  then  measured 
on  the  outputs  of  DACs  E  through  H.  The  graph  shows  DC 
crosstalk  of  -1 20dB  rising  up  to  -50dB  at  1 00kHz,  revealing  ex- 
cellent performance  for  DC  and  low  frequency  AC  signals. 
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FIGURE  8:  DAC-8800  Single  +5V  Operation 


OUTPUT  NOISE 

The  DAC-8800  exhibits  basic  broadband  white  noise  of  typically 
1 8n  VA/Rz.  Its  dominant  noise  source  is  the  resistor  ladder.  Thus, 
the  noise  does  not  exhibit  any  measurable  1/f  noise. 

SINGLE  +5V  SUPPLY  OPERATION  OF  THE  DAC-8800 

The  DAC-8800  is  ideal  for  single  supply  applications  because  its 
output  range  includes  ground.  In  fact,  the  DAC-8800  can  work 
well  with  a  single  +5Vonly.  Even  with  this  low  of  a  supply  voltage, 
VREFH  can  be  connected  to  a  1 .23V  bandgap  reference  (Figure 
8).  Although  the  1 .23V  bandgap  reference  violates  the  4V  of 
headroom  requirement,  the  DAC  is  still  within  ±1/2  LSB  of  total 
unadjusted  error.  The  4V  below  the  positive  supply  limit  was  set 
with  a  safety  margin  of  about  0.5V  to  account  for  operation  over 
the  full  operating  temperature  range. 

The  1 .23V  bandgap  reference  voltage  is  derived  from  the  TRIM 
pin  of  a  precision  2.5V  reference  device,  the  REF-43.  The  buffer 
amplifier  is  needed  because  the  TRIM  pin's  impedance  is  50kQ. 
The  DAC-8800's  reference  inputs  characteristically  range  from 
12kfi  to  40kf2  depending  on  the  digital  code,  which  would  load 


the  trim  pin  excessively.  The  OP-290's  low  offset  voltage  of  75u.V 
and  low  temperature  drift  characteristics  maintain  the  reference's 
accuracy.  The  OP-290  also  has  the  ability  for  its  output  to  oper- 
ated ground  with  the  addition  of  a  load  resistor;  1 0kC2  works  well. 
The  output  amplifier  is  needed  to  buffer  the  DAC-8800's  high 
output  impedance  when  the  output  is  connected  to  a  low  im- 
pedance load. 

SERIAL  INTERFACING 

Thedigital  control  of  the  DAC-8800jsastandardthree-wire  serial 
interface  with  clock  (CLK),  load  (LP),  and  serial  data  input  (SDI) 
(Figure  9).  Additionally,  an  inverted  CLK  input  pin  is  available  for 
negative  edge  triggered  data  loading.  Either  CLK  or  CLKcan  also 
be  used  as  a  chip  select  pin.  When  loading  data,  3  address  bits 
are  loaded,  MSB  first,  followed  by  8  bits  of  data,  again  MSB  first. 
Thus  1 1  bits  in  all  are  loaded  through  the  SDI  pin  to  control  each 
DAC.  The  DAC-8800  can  run  on  aclock  as  fast  as  6.6MHz  making 
it  possible  to  load  all  eight  DACs  in  as  little  as  14  microseconds. 
Furthermore,  the  DAC-8800  maintains  TTL  compatibility  for 
positive  power  supply  voltages  greater  than  or  equal  to  +5V. 
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FIGURE  9:  DAC-8800  Serial  Interfacing 
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FIGURE  10:  Isolated  Two-Wire  Serial  Interface  for  the  DAC-8800 


TWO  WIRE  INTERFACES  FOR  PROCESS  ENVIRONMENTS 

High  voltage  isolation  using  opto-couplers  is  often  necessary  for 
serial  interfaces  found  in  process  control  applications.  In  these 
and  other  applications  where  minimizing  the  number  of  data  lines 
is  desirable,  two-wire  signal  interfaces  can  be  used  (Figure  1 0). 
This  simple  circuit  translates  the  two-wire  interface  into  the  three 
data  lines  required  to  load  the  DAC-8800.  The  LOAD  signal  is 
generated  using  two  retriggerable  one-shots.  The  first  one-shot's 
timeout  should  be  set  longer  than  the  clock  period.  Each  suc- 
ceeding clock  pulse  will  retrigger  the  one-shot  until  all  1 1  bits  are 
loaded  into  the  DAC.  Then  the  clock  must  pause  long  enough  to 
allow  the  one-shot  to  time  out.  When  the  first  one-shot's  output 


goes  low,  it  triggers  the  second  one-shot,  which  produces  the 
LOAD  pulse,  and  finishes  the  loading  cycle. 

There  are  some  common  pitfalls  when  using  one-shots.  For  ex- 
ample, the  timeout  set  by  the  external  resistor  and  capacitor  can 
vary  over  temperature  and  from  part  to  part.  Even  more  signifi- 
cant is  the  variation  due  to  resistor  and  capacitor  tolerances.  A 
typical  capacitor  can  vary  by  ±10%  which  will  cause  an  equiva- 
lent +10%  variation  in  the  timing  of  the  one-shot.  To  avoid  the 
problems  of  one-shots,  a  second  method  using  a  counter  is 
recommended  (Figure  11a).  The  counter  keeps  track  of  the 
number  of  clock  cycles  and,  when  all  the  data  has  been  input  to 
the  DAC,  the  external  logic  creates  the  LOAD  pulse. 


FIGURE  11a:  Isolated  Two-Wire  Serial  Interface  Using  a  Counter 
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FIGURE  11b:  Isolated  Two-wire  Serial  Interface  Timing  Diagram 


Referring  to  the  timing  diagram  (see  Figure  1 1  b),  the  counter  is 
incremented  on  every  rising  edge  of  the  clock.  Additionally,  the 
data  is  loaded  into  the  DAC-8800  on  the  falling  edge  of  the  clock 
by  using  the  CLK  input  instead  of  the  CLK  input.  The  reason  for 
using  the  CLK  input  becomes  apparent  after  considering  the  LOAD 
pulse.  The  timing  diagram  shows  that  after  the  eleventh  bit  has 
been  clocked,  the  output  of  the  counter  is  binary  1010.  On  the 
following  rising  CLK  edge  the  output  of  the  counter  changes  to 
binary  101 1,  upon  which  NAND  gate  'X'  goes  low  to  generate  the 
LOAD  pulse.  The  LOAD  signal  is  connected  to  both  the  DAC's 
LD  and  the  counter's  LOAD  pins.  Since  the  counter  has  a  syn- 
chronous clear,  the  LOAD  pulse  remains  low  until  the  next  CLK 
pulse.  NAND  gates  'Y'  and  'Z'  prevent  the  twelfth  falling  CLK  edge 
(labelled  'LOAD'  in  the  timing  diagram)  from  clocking  the  DAC, 
which  would  load  false  data  into  the  DAC.  Using  the  CLK  input 
allows  sufficient  time  from  the  CLK  edge  to  the  LOAD  edge,  and 
from  the  LOAD  edge  to  the  next  CLK  pulse,  to  satisfy  the  timing 
requirements  for  loading  the  DAC-8800. 

After  loading  one  address  of  the  DAC,  the  entire  process  can  be 
repeated  to  load  another  address.  If  the  loading  is  complete  then 
the  CLK  must  stop  after  the  twelfth  pulse  of  the  final  load.  The 
CLK  input  will  be  pulled  high  and  the  counter  reset  to  zero.  The 
timing  requirements  of  the  system  are  the  same  as  for  the  DAC 
alone,  and  can  be  found  in  the  DAC-8800's  data  sheet.  Another 
feature  of  this  circuit  is  the  R  and  C  on  the  CLR  pins  of  both  the 
DAC  and  the  counter.  This  simple  RC  timing  circuit  will  clear  both 
chips  upon  system  power-up.  The  74LS1 61  was  chosen  because, 
like  the  DAC-8800,  it  has  an  asynchronous  clear.  The  RC  time 
constant  should  be  set  longer  than  the  power  supply  turn-on  time. 
The  values  shown  in  the  circuit  give  atime  constant  of  1 0ms,  which 
should  be  adequate  for  most  systems.  This  same  two-wire  inter- 
face can  be  used  for  most  three-input  serial  DACs. 


STAND-ALONE  OPERATION  PROVIDING  NONVOLATILE 
SETTINGS 

Whenever  a  system  with  a  DAC-8800  is  powered  on,  the  DAC- 
8800  needs  to  have  all  eight  of  its  data  words  loaded  to  set  the 
proper  DC  output  voltages.  In  a  system  with  a  microprocessor  or 
microcontroller,  this  is  a  straightforward  operation.  However,  in 
some  systems  the  DAC-8800  may  be  the  only  part  with  a  digital 
interlace.  In  this  case,  the  circuit  shown  in  Figure  12a  will  auto- 
matically load  the  DACon  system  power-up.  The  core  of  the  circuit 
is  a  serial  input/output  EEPROM  device  (U2),  preprogrammed 
with  the  appropriate  data  for  the  DAC.  The  counter  labelled  U4 
counts  through  8  addresses,  which  are  serially  shifted  into  the 
EEPROM  by  U3,  a  parallel  to  serial  shift  register.  The  EEPROM 
shifts  out  a  1 6-bit  word  associated  with  each  address.  Only  1 1  of 
the  1 6  bits  are  actually  shifted  into  the  DAC  before  the  LOAD  pulse 
arrives. 

The  second  counter,  U7,  in  combination  with  the  flip-flop  U6,  counts 
the  loading  of  the  bits  into  the  EEPROM  and  into  the  DAC-8800. 
When  all  the  bits  are  loaded  the  logic  sends  a  LOAD  pulse  which 
loads  the  DAC  and  increments  the  address  on  U4.  The  timing 
diagram  in  Figure  12b  gives  a  detailed  description  of  the  loading 
of  one  address.  The  CLK  INH  logic  inhibits  the  shift  register  dur- 
ing certain  CLK  pulses  because  9  bits  need  to  be  loaded  into  the 
EEPROM  and  only  8  bits  are  available  in  the  register. 

When  the  system  is  powered-up,  and  C,  create  a  PWRUP 
pulse  to  asynchronously  clear  all  of  the  counters  and  the  DAC. 
After  the  PWRUP  pulse  goes  high,  the  free  running  clock  begins 
to  load  all  8  addresses.  After  the  eighth  address  is  loaded,  the 
clock  is  disabled  to  remove  any  digital  switching  noise  in  the  ana- 
log circuitry. 
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FIGURE  12a:  Stand-alone  operation  of  the  DAC-8800.  The  EEPROM  stores  data  to  set  the  DAC's  output  voltages  on  system 
power-up. 
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FIGURE  12b:  Stand-Alone  Operation  Timing  Diagram 
DAC-8800  TEST  FIXTURE 

Figure  13  shows  a  fixture  to  test  the  DAC-8800.  The  circuit  in- 
cludes switches  to  set  the  address  and  data  so  that  each  DAC 
can  be  loaded  with  any  digital  word.  After  the  switches  are  set, 
pressing  the  push-button  activates  the  monostable  multivibrator 
which  generates  the  clock  signal  to  load  the  DAC  register.  The 
counter  selects  the  successive  MUX  channels,  which  switch  the 
bits  in  proper  loading  order.  After  all  eleven  bits  are  loaded,  the 
LOAD  switch  is  manually  toggled  to  generate  a  LOAD  pulse.  The 
CLR  switch  should  be  high  at  all  times  except  to  clear  all  eight 
DACs,  in  which  case  CLR  needs  to  be  switched  low  and  then  back 
to  high.  The  CS  switch  should  always  be  set  lowto  keep  the  DAC 
selected  at  all  times.  The  DAC-8800's  outputs  are  buffered  by 
OP-400  operational  amplifiers;  however,  the  outputs  can  be 
configured  many  different  ways  for  the  actual  tests  required. 


CONDITIONS  TO  AVOID  IN  USING  THE  DAC-8800 

The  DAC-8800  is  very  resistant  to  the  most  common  latch-up 
conditions. (1)  For  example,  it  does  not  latch-up  when  the  digital 
inputs  go  high  before  the  DAC  is  powered  up.  Nor  is  the  DACs 
own  power  supply  sequencing  significant.  However,  a  few  con- 
ditions still  exist  that  are  potentially  destructive.  In  order  to  pre- 
vent damage  from  latch-up  and  ESD,  the  internal  DAC-8800 
design  includes  large  body  diodes  placed  from  many  of  the  pins 
to  ground  or  either  of  the  supplies,  as  shown  in  Figure  1 4.  Looking 
at  the  placement  of  the  diodes,  it  is  easy  to  understand  what 
conditions  need  to  be  avoided.  The  voltage  across  these  diodes 
should  be  less  than  0.3V,  or  they  will  start  to  turn  on. 
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FIGURE  13:  DAC-8800  Test  Fixture 
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FIGURE  14:  Diagram  of  diodes  in  the  DAC-8800  designed 
for  ESD  protection  and  latch-up  prevention. 

Even  if  one  of  the  diodes  does  turn  on  the  condition  is  not  neces- 
sarily destructive.  For  example,  the  diodes  from  the  digital  inputs 
to  Vdd.  ar|d  from  ground  to  the  inputs,  were  made  large  enough 
to  handle  in  excess  of  200mA  of  current  without  being  damaged. 
All  the  other  diodes  can  handle  at  least  1 00mA.  Thus,  if  there  is 
any  chance  of  any  of  the  diodes  forward  biasing,  the  pin  should 
be  current  limited.  In  the  case  of  the  digital  inputs,  a  small  series 
resistor  can  easily  prevent  more  than  200mA  from  flowing. 

APPLICATION  CIRCUIT  COLLECTION  FOR  THE  DAC-8800 

The  DAC-8800  can  be  used  for  a  wide  variety  of  DC  adjustment 
applications.  The  main  point  that  needs  to  be  remembered  is  that 
the  DAC-8800  output  is  basically  a  voltage  source  with  a  12k£J 
output  impedance.  Thus,  a  high  impedance  load  can  be  directly 
connected  to  the  DAC's  output,  however  with  a  low  impedance 
load,  the  DAC's  output  may  need  to  be  buffered. 

Figure  15  suggests  numerous  basic  trimming  operations  that  the 
DAC-8800  can  be  used  for.  Setting  comparator  trip  points  is  a 
prime  example  of  using  the  DAC-8800  to  directly  drive  a  high 
impedance  load.  The  comparator's  trip  point  can  be  digitally  al- 
tered for  different  signal  conditions.  Another  example  of  a  high 
impedance  load  is  controlling  the  gain  of  a  video  Voltage  Con- 
trolled Amplifier  (VCA)  by  altering  the  collector  current  through 
the  differential  pair.  The  DAC-8800  adjusts  the  base  voltage  of 
the  current  source  transistorthus  changing  the  collector  currents. 
This  in  turn  changes  the  transconductance  of  the  differential  pair 
transistors,  which  directly  changes  the  gain. 

DIGITALLY-CONTROLLED  VCA 

The  DAC-8800  can  also  be  used  in  audio  systems  to  control  the 
gain  of  a  low  distortion  audio  VCA  such  as  the  SSM-201 4  (Figure 
16).  The  SSM-201 4  has  over  100dB  of  dynamic  range,  and  its 
gain  is  logarithmically  proportional  to  the  control  voltage,  Vc.The 
DAC  can  be  connected  directly  to  the  control  port  of  the  VCA, 
which  has  a  gain  sensitivity  of-30mV/dB.  A  reference  range  from 
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FIGURE  15:  Typical  DC  Adjustments  Using  the  DAC-8800 

+2.5V  to  -1 .2V  will  give  a  gain  range  of  -80dB  to  +40dB,  and  the 
SSM-201 4  maintains  flat  gain  and  phase  response  to  well  above 
the  audio  frequency  range  of  20kHz  for  all  gains.  The  circuit  has 
a  typical  control  feedthrough  of  1.3mV/V  at  100Hz.  To  minimize 
this  effect,  capacitor  Cs  is  used  to  slow  down  the  DAC  transitions. 
Using  1.0u.Fgivesa  pole  at  13Hz,  which  will  filter  out  most  of  the 
glitch  energy  and  any  high  frequency  noise. 
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FIGURE  16:  Digital  Gain  Control  Using  a  Voltage-Controlled 
Amplifier 


8-94    DIGITAL-TO-ANALOG  CONVERTERS 


TRIMMING  OP  AMP  OFFSET  VOLTAGE 

A  frequently  encountered  DC  adjustment  application  is  trimming 
op  amp  offsets.  There  are  many  straight  forward  methods  for 
trimming;  one  of  which  is  connecting  the  DAC-8800to  the  op  amp's 
null  pins.  The  DAC-8800  can  directly  null  op  amps  to  the  nega- 
tive supply,  provided  the  supply  is  -12V  or  less  in  magnitude 
(Figure  1 7).  This  limit  is  because  of  the  maximum  20V  limit  across 
the  DAC.  Since  the  positive  supply  needs  to  be  at  least  +5V  for 
logic  interfacing,  the  DAC-8800's  negative  supply  is  safe  to  around 
-12V.  The  references  used  need  to  be  near  the  voltage  of  the  op 
amp'strim  pins,  which  is  typically  acouple  hundred  millivolts  above 
the  negative  rail.  The  figure  shows  reference  values  that  work 
well  for  trimming  the  OP-42  over  a  ±40mV  range.  The  actual 
voltages  can  be  created  using  resistor  dividers  from  the  negative 
supply  to  ground  and  buffering  the  reference  inputs  with  op  amps. 
In  cases  where  the  op  amp  is  adjusted  from  the  positive  rail,  one 
of  the  alternative  methods  in  thefollowing  paragraphs  is  needed. 
The  reason  for  this  is  that  the  DAC-8800's  output  would  need  to 
be  abletogouptothepositivesupply.  However,  VrepH  is  limited 
to  4V  belowthe  positive  supply.  Thus,  the  offset  cannot  be  directly 
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FIGURE  17:  Using  the  DAC-8800  for  offset  nulling  directly 
on  the  op  amp's  null  pins. 


A  simpler  method  of  offset  nulling  that  gets  around  the  supply 
voltage  limitation  is  to  connect  the  DAC-8800's  output  in  series 
with  a  resistor  to  the  summing  node  of  the  amplifier  (Figure  18). 
This  adds  a  small  current  that  cancels  the  op  amp's  offset  voltage. 
The  series  resistor  should  be  large  to  provide  a  fine  adjustment. 
The  noise  of  the  DAC  and  the  series  resistor  might  at  first  appear 
to  be  a  problem,  but  it  is  actually  attenuated  by  the  1  k£i  input 
resistor.  Therefore,  the  1kQ  noise  dominates.  For  the  values  in 
Figure  1 8,  the  adjustment  range  is  ±50m  V  on  the  output.  Figure 
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FIGURE  18:  Offset  nulling  by  connecting  the  DAC-8800  to 
the  summing  node  of  an  amplifier. 
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FIGURE  19:  Offset  nulling  by  connecting  the  DAC-8800  to 
the  noninverting  node  of  an  amplifier. 

1 9  shows  an  alternative  method  of  offset  nulling  by  adjusting  the 
voltage  at  the  amplifier's  noninverting  input.  The  resistor  divider 
is  recommended  to  provide  for  fine  control  of  the  offset.  The  ad- 
justment range  for  the  values  in  Figure  1 9  is  +42mV.  The  small 
resistor-to-ground  also  reduces  the  DAC's  output  noise  to  a  point 
where  it  is  insignificant  compared  to  the  op  amp's  own  noise.  With 
Ft2  =  10£J,  the  input  noise  caused  by  the  DAC  reduces  to 
15pV/-/Hz;  the  noise  of  R2  is  much  larger  than  this. 

In  both  nulling  applications  shown,  a  positive  and  negative  refer- 
ence is  required;  however,  in  certain  systems,  only  one  reference 
may  be  available.  Thus,  the  DAC-8800  can  only  adjust  the  offset 
in  one  direction.  If  this  is  the  case,  the  amplifier  can  be  forced  to 
offset  in  either  the  positive  or  negative  direction  by  connecting 
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one  of  the  offset  pins  to  the  appropriate  power  supply  voltage. 
Then  the  offset  only  needs  to  be  adjusted  in  one  direction,  which 
the  DAC-8800  can  easily  do  with  just  one  reference.  Typical  op 
amps  have  V0s  adjustment  ranges  on  the  order  of  ±5mV.  Thus, 
the  adjustment  range  of  the  DAC-8800  needs  only  to  adjust  the 
input  offset  by  1 0mV. 

If  the  op  amp  is  forced  to  offset  in  only  one  direction,  the  tem- 
perature coefficient  of  V0s  (TCVos)  wiH  almost  certainly  be  af- 
fected. For  atypical  op  amp,  TCV0s  is  directly  proportional  to  the 
offset  voltage.  Thus,  if  the  offset  voltage  is  larger  to  start  with, 
then  TCVos  WW  also  be  larger.  For  example,  an  op  amp  with  a 
simple  NPN  input  stage  will  exhibit  a  TC  V0s  equal  to  V0s  divided 
by  the  temperature  in  degrees  Kelvin  at  which  that  offset  was 
measured.  This  translates  to  approximately  3u.V/°C  of  TCV0S 
for  every  millivolt  of  Vos- 

TRIMMING  VOLTAGE  REFERENCES 

Figure  20  shows  the  DAC-8800  being  used  to  trim  a  voltage 
reference  such  as  PMI's  REF-01 .  The  output  of  the  DAC  is  con- 
nected to  the  TRIM  pin  of  the  reference  just  as  the  wiper  of  a 
potentiometer  would  be  connected.  This  entire  circuit  can  easily 
be  used  in  single  supply  applications  because  the  DAC-8800's 
output  can  go  to  V$s.  Furthermore,  this  method  can  be  used  for 
all  of  PMI's  references  provided  there  is  at  least  4V  of  headroom 
between  VDD  and  Vout-  The  adjustment  range  of  this  circuit  is 
the  same  as  the  ±300mV  specified  in  the  REF-01  's  data  sheet. 
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FIGURE  20:  Reference  Trimming  Using  the  DAC-8800 
COARSE-FINE  CONTROL 

Two  of  the  DAC-8800's  outputs  can  be  connected  together,  and 
the  resulting  output  is  the  average  of  the  two  unconnected  outputs 
(Figure  21).  This  can  easily  be  seen  by  thinking  of  the  Thevenin 
equivalent  circuit  in  Figure  3.  The  two  output  resistances  in  the 
same  package  are  well  matched  so  they  form  an  accurate  resistive 
divider,  which  averages  the  two  DAC  voltages.  Such  a  circuit  could 
be  useful  for  performing  a  coarse-fine  control,  where  one  of  the 
references  is  set  to  1/10  the  other  reference.  For  example,  set- 
ting VREFH,  to  1.0V,  VREFL,  to  -1.0V,  VREFH2  to  100mV,  and 
VRefI-2  to  -100mV  gives  an  output  adjustment  range  of  ±0.5V 
±0.05V. 
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FIGURE  21 :  Coarse-Fine  Control  by  Averaging  the  DAC- 
8800  Outputs 

This  application  is  limited  by  the  voltage  difference  between  the 
references.  If  Vref1  is  too  much  larger  than  VREF2,  the  output 
voltage  goes  above  VrEF2,  and  the  switches  in  VRF_F2  start  to  turn 
on  independent  of  the  digital  code,  which  causes  a  significant 
error.  It  can  even  cause  VRFF2  to  increase  by  forcing  current  back 
into  the  reference,  causing  nonlinearities.  The  actual  threshold 
for  the  switches  turning  on  varies  depending  upon  the  common 
mode  voltage  of  the  two  references,  but  the  worst  case  is  1.5V 
between  VREF1  and  VREF2.  Thus,  the  above  example  with  VrepH, 
=  1 .0V  and  VREFH2  =  1 0OmV  works  well,  but  increasing  VREFH, 
above  1.6V  may  cause  the  switches  to  start  turning  on.  For 
unipolar  applications,  this  problem  can  be  avoided  by  connect- 
ing both  the  high  references  to  ground  and  setting  the  low  refer- 
ences to,  for  example,  -1 0.0V  and  -1 ,0V.  Configured  this  way, 
the  outputcan  never  go  above  the  high  reference,  and  the  switches 
will  never  turn  on  independent  of  digital  code. 

An  alternative  method  that  avoids  the  aforementioned  problem 
is  shown  in  Figure  22.  Using  this  method,  the  output  voltage  can 
never  be  greater  in  magnitude  than  any  of  the  references.  To  get 
the  maximum  output  voltage,  set  both  V,  and  V2  to  VREFH,  then 
the  equation  simplifies  as  follows: 

Vo  •  VrefH  [  (2ROUT  +  Rs)  *  (2Rout  +  Rs)  I  =  VREFH 
Thus,  the  maximum  output  voltage  is  equal  to  the  reference  of 
the  DACs.  Another  advantage  is  that  only  half  as  many  references 
are  needed.  One  thing  to  be  careful  of  is  that  the  percentage 
adjustment  range  of  each  DAC  output  will  vary  with  changing 
output  resistances  from  device  to  device.  In  Figure  22,  with  Rout 
=  1 2k£2,  Rs  =  96kn  sets  the  output  to  be  1 0%  of  V,  and  90%  of  V2. 
However,  if  Rout  changes  to  8kC2,  then  the  percentages  become 
7%  and  93%,  respectively.  If  this  is  unacceptable,  then  Rs  needs 
to  be  variablefrom  at  least  64knto  1 28knto  coverthe  entire  output 
resistance  range  of  the  DAC. 
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FIGURE  22:  Course-fine  adjustment  using  the  same 
reference  for  both  DACs. 
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FIGURE  23:  Voltage  summer  by  connecting  the  DAC-8800 
outputs  to  the  summing  node  of  an  amplifier. 


Another  method,  shown  in  Figure  23,  is  current  summing.  In  this 
case,  the  DAC  outputs  are  connected  to  the  virtual  ground  of  the 
op  amp,  avoiding  the  problem  of  the  switches  being  forced  on. 
The  feedback  resistor  should  be  12k£i  to  match  the  output  im- 
pedance of  the  DAC-8800.  As  in  the  above  application,  the  feed- 
back resistor  may  need  to  be  varied  f  rom  8k£l  to  1 6kH  depending 
on  variations  in  the  DAC-8800's  output  resistance.  Also  remem- 
ber that  the  op  amp  inverts  the  DAC's  reference  voltages,  so  a 
5V  high  reference  gives  -5V  at  the  output  of  the  op  amp. 

AN  ADJUSTABLE  REFERENCE  FOR  ANALOG-TO-DIGITAL 
CONVERTERS 

In  an  analog-to-digital  conversion  circuit  the  DAC-8800  works 
well  as  a  digitally-controlled  reference  (Figure  24).  Using  the  DAC, 
the  reference  voltage  can  be  adjusted  for  different  ADC  sensi- 
tivities. The  DAC-8800  output  may  need  to  be  buffered  by  an  op 
ampbecause  of  the  typical  ADC's  low  reference  input  impedance. 
For  flash  converters  the  typical  input  impedance  is  usually  well 
below  1k£J,  which  is  much  too  low  for  the  DAC-8800's  output 
impedance  of  1 2k£i.  A  separate  DAC  in  the  same  package  can 
provide  the  negative  reference  as  well,  but  it  too  has  to  be  buffered 
with  an  op  amp. 

As  can  be  seen  by  the  many  different  application  circuits  shown 
in  the  above  section,  the  DAC-8800  is  a  very  versatile  device.  Of 
course,  the  application  examples  shown  here  are  only  a  small 
selection  of  the  many  different  ways  the  DAC-8800  can  be  used. 
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FIGURE  24:  The  DAC-8800  as  a  digitally-controlled  variable 
reference  for  ADCs.  The  DAC's  output  needs  to  be  buffered 
by  an  op  amp. 
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ic  Adjustment  Made  Easy  with  the  TrimDAC 

by  Walter  Heinzer  and  Joe  Buxton 


The  TrimDAC®  is  a  multi-channel  d/a  converter  designed 
specifically  for  adjusting  gains  and  dc  levels  in  electronic 
circuits  digitally  and  without  moving  parts.  It  combines 
many  of  the  properties  of  the  adjusting  pot(entiometer) 
with  the  prospect  of  hands-off  automatic  adjustment 
and  high  reliability.  The  highly  desirable  attributes  of 
TrimDACs  include  small  package  size,  many  devices  per 
package,  serial  interface  (reduces  pin  count)  and  low 
power  dissipation.  TrimDACs  in  electronic  adjustment 
reduce  cost  in  two  ways:  the  higher  speed  of  adjustment 
under  software  control  saves  time  and  capital  invest- 
ment; and  the  device  itself  is  quite  cheap. 

Most  designers  of  new  circuit  designs  would  like  to 
avoid  the  once-ubiquitous  variable  resistor  because  of 
its  mechanical  sensitivity,  relatively  wide  absolute  toler- 
ances, and  high  labor  cost.  But  there  is  generally  a  need 
for  factory  adjustments  and  calibrations  in  electronic 
equipment.  Even  digital  products  need  a  power  supply 
adjusted  or  calibrated  to  a  specified  tolerance.  And 
many  electronic  systems  are  connected  to  real  world 
sensors  or  output  devices  in  systems  that  need  calibra- 
tion. A  key  issue  facing  engineers  who  design  such  sys- 
tems is  cost  reduction  of  factory  calibration  and  field 
maintenance. 

Electronic  factory-calibration  of  chips  by  semiconductor 
manufacturers  is  already  widely  used;  calibration  and 
adjustment  problems  are  solved  on  (and  with)  inte- 
grated circuits  by  autozero,  self-calibration,  Zener-zap, 
fuse  link,  EPROM  and  laser  trim.  Something  akin  to  this 
in  larger-scale  real-world  systems  is  highly  desirable. 

Recognizing  this  problem,  we  sought  to  design  products 
to  fill  the  need  for  digitally  adjustable  electronic  devices 
to  automate,  speed  up,  and  eliminate  manual  and  me- 
chanical adjustments. 

For  example,  consider  the  CRT  display;  curvature  aber- 
rations in  the  manufacturing  of  glass  tubes  require  that 
the  elements  of  focus  (convergence  &  color  purity)  be 
individually   adjusted,   especially  for  high-resolution 
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displays.  Since  the  convergence  adjustment  of  CRT  dis- 
play systems  with  resolutions  of  more  than  1,000  lines 
requires  that  6  to  8  variable-resistor  adjustments  be 
made  in  high-volume  production  — currently  by  robot- 
controlled  screwdrivers -displays  are  ideal  candidates 
for  electronically  controlled  adjustment  devices.  The 
TrimDAC  offers  an  attractive  alternative  to  this 
mechanical  adjustment  approach.  Previously  a  labor- 
(human  or  robot)  intensive  process  taking  minutes,  the 
operation  now  can  be  done  in  seconds. 

VOLTAGE  ADJUSTMENT,  THE  FIRST  GENERATION 

The  first  TrimDAC,  the  DAC-8800,  is  a  monolithic  CMOS 
IC  with  all  the  ingredients  necessary  for  general-purpose 
dc  voltage  setting.  It  contains  eight  unbuffered  voltage- 
output  d/a  converters  in  a  20-pin  skinny  DIP  package 
(Figure  1 ).  The  output  voltage  range,  unipolar  or  bipolar, 
can  be  independently  set  for  each  group  of  four  DACs. 
Output  voltage  ranges  are  established  by  the  choice  of 
high-  and  low-  external-reference  inputs.  The  8-bit  DACs 
provide  256  voltage  levels  within  each  range. 
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Figure  7.  DAC-8800  Block  Diagram.  Shared  References 
Determine  Output  Voltage  Range. 
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A  TTL-compatible  3-wire  serial  interface  loads  the  con- 
tents of  the  eight  internal  DAC  registers.  These  can  all  be 
set  to  zero  by  an  asynchronous  Clear  (CLR)  input,  very 
handy  for  system  power-up.  An  internal  regulator  pro- 
vides TTL  compatibility  over  a  wide  range  of  VDD  supply 
voltages.  Single-supply  operation  is  available  by  con- 
necting Vss  to  GND.  The  device  achieves  its  perfor- 
mance and  flexibility  with  a  low  24  mW  of  dissipation. 

The  output  voltage  of  each  DAC  is  changed  by  clocking 
an  11-bit  word  (3  address  bits,  8  data  bits)  into  the  serial 
shift  register.  The  internal  logic  decodes  the  three  ad- 
dress bits  to  establish  which  internal  DAC  register  will 
receive  the  8  bits  of  data  from  the  serial  register  during 
the  Load  (LD)  strobe.  One  DAC  is  updated  with  each  LD 
strobe.  At  the  maximum  clock  rate  of  6.6  MHz,  all  eight 
d/a  converters  can  be  loaded  in  as  little  as  14  microsec- 
onds. 

The  output  voltage  range  is  determined  by  the  external 
input  voltages  applied  to  VREFH  and  VREFL  (Figure  2).  If 
Vss  is  negative,  VREFL  may  be  set  to  a  negative  value; 
this  results  in  a  programmable  bipolar  range  of  output 
voltages.  The  relationship  between  Vour  and  VREFH, 
VREFL,  and  the  digital  input,  D  (a  base-10  integer  between 
0  and  255),  is: 

VWD)  =  (D/256)<VfiEFH- 

The  DAC-8800  is  tested  for  operation  with  VDD  =  12  V 
and  Vss  =  0  V  or  -5  V.  However,  it  was  designed  to 
operate  from  a  wide  variety  of  available  supply-voltage 
combinations.  Here  are  some  typical  pairings:  VDD, 
Vss  =  +15  V,  0  V;  +12V,0  V;  + 12  V,  -5  V;  +5  V,-5  V; 
+5  V,  -12  V;  +5  V,  0  V. 

The  primary  application  of  the  DAC-8800  is  with  fixed 
reference  inputs  for  dc  voltage  setting.  Outputs  may  be 
applied  directly  to  high-impedance  circuits  — or  to  exter- 
nal op  amps  for  buffering. 


ADDING  GAIN:  THE  SECOND  GENERATION 

Second-generation  TrimDACs,  such  as  the  DAC-8840 
and  DAC-8841,  solve  the  problem  of  replacing  variable 
resistors  for  adjusting  ac  or  varying  dc  voltages-for 
example,  in  audio  volume  control.  Other  common  appli- 
cations where  ac  signals  must  be  attenuated  include 
some  circuits  found  in  video  displays,  projection-TV 
displays,  instrumentation,  oscilloscopes,  medical  gear, 
modulation  circuits,  modems,  and  so  on. 
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Figure  2.  Simplified  Equivalent  Voltage-Switching  DAC 
Circuit.  The  Output  Resistance  Remains  Constant  at  a 
Nominal  11  kQ. 


The  DAC-8840  contains  a  multiplying  DAC  structure  with 
four-quadrant  multiplying  capability.  Figure  3  shows  the 
connection  of  one  of  the  eight  independent  channels  of 
the  DAC-8840.  This  multiplying  channel  has  a  1-MHz 
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Figure  3.  One  Channel  of  the  Four-Quadrant  Multiplying 
DAC-8840. 


bandwidth  for  ±3-V  input  signal  levels  while  operating 
from  ±5-V  supplies.  A  typical  signal  channel  has  0.01% 
total  harmonic  distortion  and  can  slew  at  2.5  V/|xs.  Be- 
cause the  output  amplifier  is  connected  in  a  differencing 
(push-pull)  configuration,  the  gain  for  signals  applied  to 
V,N  can  range  from  full-scale  positive  to  full-scale  nega- 
tive, depending  on  the  applied  digital  (offset  binary) 
word.  The  magnitude  of  the  binary  word  corresponds  to 
the  wiper  position  of  a  pot,  with  zero  output  at  half- 
scale;  a  Preset  control  input  sets  all  DACs  to  this  "zero" 
position.  Figure  4  describes  this  serial  input  CMOS  octal 
D/A  converter  in  greater  detail. 

The  gain  transfer  function  of  a  DAC-8840  channel  is: 

VOUT(D)  =  (D/128-1)  VIN 

where  D  is  the  value  of  the  binary  input,  a  decimal 
integer  between  0  and  255.  At  full-scale, 
Vout  =  127/128  x  Vmi  when  D  =  128  (also  the  Preset 
condition),  V  OUT  equals  zero  volts;  and  when  0  =  zero, 
Vour  =  -VIN. 

In  the  DAC-8840,  eight  DAC  registers  store  the  output 
state;  they  are  updated  from  an  internal  serial-to-parallel 
shift  register  loaded  from  a  standard  3-wire  serial-input 
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Figure  4.  DAC-8840  Block  Diagram.  Note  the  3-Wire 
Input  and  Serial  Data  Output  Pin  (SDO)  for  Daisy- 
Chaining  Additional  Packages. 

digital  interface.  The  data  word  clocked  into  the  serial- 
input  register  (SDI)  consists  of  12  bits;  the  first  four 
determine  the  address  of  the  DAC  register  to  be  loaded 
with  the  8  data-bits.  A  serial  data  output  pin  at  the  other 
end  of  the  shift  register  (SDO)  allows  simple  daisy- 
chaining  in  multiple  DAC  applications  without  additional 
external  decoding  logic  (Figure  5).  The  fourth  address 
bit,  which  decodes  as  a  NOP  for  the  package,  makes  it 
possible  to  select  a  single  DAC  in  one  of  the  packages  to 
be  updated  when  all  the  packages  receive  the  common 
LD  DAC  strobe  signal. 
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width.  AC  signals  applied  to  the  V,N  terminal  can  be 
attenuated  to  zero  or  amplified  by  a  factor  of  up  to  two, 
with  256  possible  level  settings  from  zero  to  2  x 
(255/256)  VIN : 


Vou7{D)  =  2  x  (D/256)  x  (VIN-V„EFL)  +  VR£FL 


VOUT 


Figure  6.  Internal  Connections  of  the  +5-V-only  DAC- 
8841. 


VARIABLE  RESISTORS  VERSUS  TRIMDACS 

From  the  above  overview  of  the  DAC-8800  and  DAC- 
8840/41  TrimDACs,  we  can  compare  them  to  mechani- 
cally variable  resistors  (pots),  reviewing  the  strengths 
and  weaknesses  of  each. 

Advantages  of  TrimDACs  over  Potentiometers:  Better 
mechanical  stability,  improved  product  life,  improved 
temperature  coefficients,  smaller  size;  computer  control 
can  eliminate  technician  costs;  remote  operation,  con- 
stant output  resistance,  and  low  output  resistance  with 
low  power  dissipation. 

Advantages  of  Potentiometers  over  TrimDACs:  Voltage 
range  usually  much  greater,  no  separate  power  supply 
required,  simple  human  interface,  no  memory  required, 
no  "zipper  noise"  (the  sound  heard  when  using  a  DAC  to 
adjust  audio  levels). 

Another  useful  advantage  of  the  potentiometer  at 
present  is  a  nonvolatile  memory.  That  is,  in  a  vibration- 
free  environment,  the  wiper  of  the  potentiometer  stays 
where  it  was  last  set,  even  with  the  power  off.  The 
TrimDAC  devices  described  here  do  not  contain  non- 
volatile memory;  for  them,  the  required  memory  is  gen- 
erally supplied  by  system  E2PROM.  Since  in  many  of 
today's  systems  a  low-cost  high-density  E2PROM  holds 
system  set  points  for  current  time,  date,  mode,  parame- 
ters and  so  on,  it  is  an  easy  matter  to  share  this  nonvol- 
atile memory  with  the  TrimDAC  calibration  set  points; 
they  are  reloaded  at  system  powerup. 


Figure  5.  DAC-8840S  in  a  Serial  Daisy  Chain  Minimize 
Chip  Decoders. 

The  DAC-8841,  a  mask  option  of  the  DAC-8840,  offers  an 
ideal  octal  DAC  for  +5-V  single-supply  applications.  The 
DAC  and  amplifier  of  each  channel  are  configured  as 
shown  in  Figure  6,  with  the  amplifier  connected  for  a 
non-inverting  gain  of  two.  This  configuration  is  a 
2-quadrant  multiplying  arrangement  with  a  1-MHz  band- 


TYPICAL  APPLICATIONS 

In  professional  audio  equipment,  voltage-controlled  am- 
plifiers (VCA)  are  used  to  set  gain,  fade,  pan  and  mix 
signals.  The  dc  control  inputs  of  these  VCAs  are  ideally 
controlled  by  the  DAC-8800  (Figure  7).  The  addition  of 
the  capacitor  at  the  VCA  voltage  control  port,  VC,  helps 
to  limit  the  slew  rate,  reducing  the  clicking  to  a  subaudi- 
ble  level.  One  DAC-8800  can  control  8  channels  of  loga- 
rithmically set  gain  and  attenuation  levels. 
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Figure  7.  Setting  Gain  of  a  Voltage-Controlled  Amplifier 
in  Professional  Audio  Equipment.  One  DAC-8800  Can 
Serve  8  Channels.  The  Damping  Capacitor  at  the  Voltage- 
Control  Point  Minimizes  Zipper  Noise  by  Slowing  Rates 
of  Gain  Change  to  Subaudio  Frequencies. 

Figure  8  shows  a  selection  of  output  configurations  of  a 
DAC-8800,  including  simple  buffers,  summing  circuits 
with  coarse/fine  control,  and  adding  gain  for  increased 
output  swing.  A  DAC-8800  can  be  used  in  system  offset 
nulling  by  connecting  its  output  to  the  summing  node  of 
any  convenient  op  amp,  using  an  appropriate  value  of 
summing  resistance  or  a  T-network. 


For  video  convergence  and  deflection  control,  especially 
in  multi-sync  displays,  the  DAC-8840  can  be  used  to 
adjust  the  sawtooth  waveform  amplitudes,  their  refer- 
ence bias  voltages,  and  the  parabolic  waveforms  used  to 
linearize  them  as  they  are  summed  together  to  drive  the 
CRT  deflection.  Figure  9  shows  a  block  diagram  of  a 
typical  arrangement. 


HORIZONTAL 
DEFLECTION 


)-^^'"rj^>f0 


VERTICAL 
DEFLECTION 


Figure  9.  DAC-8840's  Four-Quadrant  Multiplying  Capa- 
bility Simplifies  Amplitude  Adjustment  of  Waveform 
Components  in  Video  Deflection. 


CIRCUIT  WITH 
FINE  TRIM  ADJUSTMENT 

OV  TO  5V 


DIGITAL  INTERFACING  OMITTED  FOR  CLARITY 

R,  =  lOOkll.  R,  =  IQklJ 


Figure  8.  Some  Ways  of  Buffering  the  DAC-8800  Output. 


Availability 

The  20-pin  DAC-8800,  and  the  24-pin  DAC-8840  and 
DAC-8841  are  available  for  two  temperature  ranges-ex- 
tended industrial  (-40°C  to  +85°C)  and  military  (-55°C 
to  +125°C).  Packaging  includes  plastic  and  ceramic  DIPs 
and  SOL  surface-mount  packages. 
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AD7224  Provides  Programmable 
Voltages  Over  Varying  Ranges 


by  Mike  Byrne 


This  application  note  discusses  some  uses  of  the  AD7224 
in  providing  programmable  output  voltages  over  varying 
ranges.  The  AD7224  is  a  monolithic,  voltage-mode  CMOS 
DAC  with  output  buffer  amplifier  housed  in  a  0.3  inch 
wide,  18-pin  DIP. 

The  circuit  of  Figure  1a  shows  a  common  configuration 
for  a  potentiometer  with  the  output  voltage,  V0ut,  varying 
from  VAtoVB.  This  output  voltage  is  varied  using  the  vari- 
able resistor  VR1.  The  function  performed  by  this  circuit 
can  be  implemented  using  the  circuit  of  Figure  1b.  This 
circuit  uses  the  AD7224  and  just  three  external  compo- 
nents to  give  a  programmable  output  voltage  varying 
from  VxtoVY. 


v, 


Figure  1b. 


The  operation  of  the  circuit  depends  upon  the  principle 
that  all  the  current  which  flows  into  the  VREF  input  of  the 
AD7224  will  flow  out  of  AGND.  Therefore,  although  the 
current  flowing  into  the  VREF  input  will  vary  (because  of 
varying  input  impedance  with  code)  the  current  flowing 
through  R2  will  always  remain  constant.  In  practice  some 
current  flowing  into  the  VREF  input  will  "leak"  away  from 
AGND.  This  leakage  current  varies  with  digital  code.  This 
variation  is  typically  of  the  order  of  3jiA  which  represents 
an  error  of  only  0.05%  since  the  typical  current  which 
flows  through  the  zener  is  6mA.  For  example,  if  Vx  is 
biased  at  2V,  with  R2  =  330H  the  variation  of  Vx  with 
digital  code  is  typically  less  than  1mV. 

An  additional  separate  current,  which  does  not  flow  into 
the  VREF  input,  flows  from  VDD  through  internal  circuitry 
and  out  of  AGND.  This  current  is  independent  of  code  and 
therefore  does  not  cause  variations  in  Vx  over  the  input 
code  range.  It  is  in  the  range  50p.Ato  150pAand  is  depen- 
dent upon  the  (v\-Vx)  voltage;  the  lower  the  (Vv^Vx)  volt- 
age the  smaller  the  current.  It  does  mean  that  Vx,  and 
hence  VY,  will  be  slightly  larger  than  one  would  expect 
based  on  the  current  flowing  through  R1.  For  example, 
with  R2  =  330n,  VDD  =  +12Vand(VY-Vx)  =  +  6.1V  it  was 
found  that  Vx  was  43mV  larger  than  expected.  Under  the 
same  conditions  except  (Vy-Vx)  =  3.3V,  Vx  was  22mV 
larger  than  expected.  In  either  case  the  increased  Vx  can 
easily  be  adjusted  for  by  reducing  R2. 

The  zener  diode,  D1,  must  be  biased  so  that  the  current 
variation  through  it  will  not  significantly  affect  its  zener 
voltage.  The  worst  case  variation  for  the  circuit  of  Figure 
1b  is  1mA  over  the  input  code  range  but  typically  this  is 
less  than  500m.A.  The  total  variation  on  VY,  including  the 
effect  of  the  variation  on  Vx,  was  found  to  be  less  than 
2mV.  This  was  for  various  values  of  D1  with  Vx  =  2V  and 
R2  =  330O. 

The  circuit  of  Figure  1b  is  not  as  flexible  as  that  of  la  and 
a  number  of  limitations  exist.  VY  must  be  at  least  4V  below 
the  VDD  supply  voltage  to  ensure  correct  operation  of  the 
AD7224.  Additionally,  VY  must  always  be  positive  with  re- 
spect to  Vx  and  in  turn,  Vx  must  always  be  positive  with 
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respect  to  DGND.  The  entire  circuit  can,  however,  be  oper- 
ated in  single  supply  with  the  Vss  pin  of  the  AD7224  tied 
to  DGND.  When  operating  in  single  supply,  the  AGND 
should  be  biased  over  2V  above  DGND  to  ensure  specified 
linearity  performance  over  the  range  of  reference  volt- 
ages. This  limitation  does  not  apply  to  differential  linear- 
ity since  the  part  remains  monotonic  over  the  range  of  ref- 
erence voltages  regardless  of  whether  the  part  is  oper- 
ated in  single  or  dual  supplies.  Table  I  shows  different 
values  for  R1  and  R2  for  different  zener  diode  voltages  for 
a  VDD  supply  voltage  of  +12V.  Capacitor  C1  is  used  to 
eliminate  spikes  on  AGND.  These  spikes  occur  when  the 
digital  input  is  changed  because  the  zener  diode  presents 
a  non-zero  impedance  to  the  VREF  input.  Even  without  C1 
they  are  not  really  a  problem  since  they  are  masked  out 
from  the  output  by  the  slew  rate  of  the  output  amplifier. 


D1 

R1 

R2 

Vx 

Vv 

3.3V 

82011 

390n 

2.8V 

6.28V 

3.9V 

680f! 

680O 

4V 

8V 

4.4V 

6800 

390O 

2.78V 

7.26V 

5.6V 

68011 

330ft 

2.16V 

7.9V 

Table  1. 

of  implicit  feedback.  For  further  information  on  implicit 
feedback  circuits  see  page  39,  "Nonlinear  Circuits  Hand- 
book" published  by  Analog  Devices. 

The  on-chip  reference  on  the  LM10  is  a  200mV  reference, 
VR.  Amplifier  A1  is  used  as  a  buffer  for  this  reference  and 
has  an  output  current  source  capability  of  1  mA.  Note  that 
the  output  voltage  from  the  circuit  is  taken  from  the  A2 
output  (which  is  in  fact  the  reference  voltage  for  the 
AD7224)  and  not  from  the  V0ut  of  the  AD7224.  The  gain 
placed  on  amplifier  A1  determines  the  lower  end  of  the 
output  voltage  range  at  V0-  For  example,  if  the  gain  of  this 
amplifier  is  5  the  lower  end  of  the  Vo  range  will  be  1V 
while  if  the  gain  is  unity  the  lower  end  will  be200mV.  The 
ratio  of  R4  and  R3  then  determines  the  span  of  the  output 
voltage.  For  example,  (with  a  gain  of  5  on  A1),  if  R4/R3  = 
9  then  the  output  voltage  range,  at  V0,  will  be  1V  to  10V 
over  the  digital  input  code  range  of  the  AD7224.  If  R4/R3 
=  4  then  the  output  voltage  range  will  be  1Vto5V. 

The  output  voltage  does  not  vary  in  a  linear  fashion  with 
digital  input  code.  The  relationship  is  shown  in  Figure  3 
for  an  R4/R3  ratio  of  9  and  a  gain  of  5  on  A1 .  The  expres- 
sion for  output  voltage,  VQ,  is  as  follows: 


An  alternative  method  for  generating  a  programmable 
output  voltage  over  a  varying  range  is  shown  in  Figure  2. 
In  this  case  the  AD7224  is  used  with  the  LM10,  which  con- 
tains a  reference,  reference  amplifier,  A1,  and  output  am- 
plifier, A2,  on  one  chip.  The  circuit  contains  just  two  nar- 
row DIPs  and  four  resistors.  The  technique  involved  is  one 


Vo  =  VR-(1  +G1)- 

where  G1  =  R2/R1 
G2  =  R4/R3 


(1  +  G2) 
(1  +  G2D) 


and  D  is  a  fractional  representation  of  the  digital  word 
in  the  DAC  register  (0<D<  255/256). 


AGND 


Figure  2.  AD7224  with  LM10 
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DIGITAL  INPUT  CODE 

Figure  3.  V0  Versus  Digital  Code 

Another  configuration,  using  the  AD7224  with  the  LM10 
and  giving  a  similar  output  voltage  range,  is  outlined  in 
Figure  4.  In  this  case  A1  is  used  to  drive  the  VREF  of  the 
AD7224  directly.  A2  is  then  used  in  conjunction  with  a 
series  pass  transistor,  Tt,  to  provide  current  boosting 
with  up  to  100mA  being  provided  across  RL.  The  output 
voltage  range  with  the  component  values  given  in  Figure 
4,  is,  once  again,  1Vto  10V.  The  positive  supply  and  return 


paths  for  the  transistor  and  load  have  to  be  kept  separate 
from  the  supply  paths  for  the  rest  of  the  circuit  to  avoid 
errors  caused  by  resistive  drops  with  large  currents  flow- 
ing. Varying  the  ratios  of  R6  to  R5  and  R8  to  R7  changes 
the  output  voltage  range  with  the  expression  for  the  out- 
put voltage,  V0,  being 


Vo  =  VR 


(1  +  G1)-(1  +  G2) 
(1  +  G1-D) 


where  G1  =  R6/R5 
G2  =  R8/R7 

and  D  is  a  fractional  representation  of  the  digital  word 
in  the  DAC  register. 

In  both  the  circuit  of  Figure  2  and  Figure  4  the  AD7224  is 
shown  operating  from  dual  supplies  (i.e.,  Vss  =  -5V). 
The  reason  for  this  is  that  the  AD7224  loses  its  output  sink 
capability  with  output  voltages  near  AGND  when  oper- 
ated in  single  supply.  In  dual  supply  operation  it  main- 
tains a  400u.A  output  sink  capability  over  the  entire  output 
voltage  range.  Resistor  values  for  R3  in  Figure  2  and  R5 
in  Figure  4  should  be  chosen  so  that  this  400u,A  output 
sink  current  is  not  exceeded.  If  single  supply  operation  is 
required,  the  VssoftheAD7224  can  be  tied  to  DGND  with 
the  AGND  oftheAD7224  (and  all  other  AGND  points  in  the 
circuit)  biased  to  2V.  In  this  case  the  output  will  again  have 
its  full  sink  capability  overthe  output  range. 


Figure  4.  Current-Boost  Configuration 
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Circuit  Applications 
of  the  AD7226  Quad  CMOS  DAC 


by  Mike  Byrne 


The  AD7226  is  a  monolithic  quad  8-bit  CMOS  DAC  pack- 
aged in  a  20-pin  DIP.  Each  DAC  output  is  buffered  by  a 
CMOS  amplifier  which  is  capable  of  developing  +10V 
across  a  2kn  resistor.  Data  is  loaded  from  a  common  8-bit 
data  bus  into  one  of  the  on-chip  latches  provided  for  each 
individual  DAC  (see  Figure  1). 

The  AD7226  has  certain  features  which  make  the  part  a 
unique  and  extremely  useful  device.  Firstly,  housing  four 
DACs  plus  interface  logic  and  output  buffer  amplifiers  in 
a  20-pin  package  allows  for  substantial  savings  in  circuit 
board  space  requirements  and  complexity.  Additionally, 
the  converters  are  operated  in  the  voltage-mode  which  al- 
lows single  supply  operation  for  the  part,  with  a  unique 
DAC  switch  pair  arrangement  allowing  an  extended  refer- 
ence range  not  previously  available  with  voltage-mode 
converters.  Since  all  four  DACs  are  fabricated  on  the  same 
chip,  precise  matching  and  tracking  between  them  is 
inherent. 

This  application  note  discusses  some  uses  of  the  AD7226 
in  dc  or  voltage  setting  type  applications.  Operation  of 
some  of  these  circuits  relies  on  the  inherent  DAC-to-DAC 
matching  provided  by  the  AD7226.  Other  circuits  benefit 
from  the  circuit  board  space  saving  offered  by  the  AD7226 
and  from  its  ability  to  operate  with  a  single  power  supply. 


(8-BtTI 


Vss         AG  NO  DGND 

Figure  1.  AD7226  Functional  Diagram 


This  application  note  does  not  discuss  the  basic  operation 
oftheAD7226;  consultthe  data  sheet  forthis  information. 

AD7226  APPLICATIONS  DISCUSSED  IN  THIS  NOTE  i 

1.  Programmable  Offset  Adjust  of  Operational  Amplifiers  | 
using  one-channel  of  the  quad  DAC  per  op  amp. 

2.  Set-Point  Controller  Circuit  which  allows  fine  adjust 
over  a  wide  voltage  range. 

3.  Self-Programmable  Reference  Voltage  using  one  DAC 
oftheAD7226. 

4.  Staircase  Window  Comparator  Circuit  for  Measure- 
ment of  Threshold  Values  for  a  TTL  device. 

5.  VSs  Generation  Circuits  to  allow  dual  supply  operation 
of  the  AD7226from  a  single  power  supply. 

6.  5V  Single  Supply  results  showing  excellent  Differential 
Nonlinearity  performance. 

PROGRAMMABLE  OFFSET  ADJUST 

The  AD7226  can  be  used  to  provide  programmable  input 
offset  voltage  adjustment  for  operational  amplifiers.  The 
circuit  configuration  used  to  achieve  this  is  shown  in  Fig- 
ure 2.  Each  output  of  the  AD7226  can  be  used  to  trim  the 
input  offset  voltage  of  one  operational  amplifier.  This 
means  that  programmable  offset  adjustment  can  be 
achieved  on  four  operational  amplifiers  by  the  addition  of 
just  one  20-pin  device  and  some  extra  resistors. 

The  circuit  configuration  uses  the  input  offset  voltage  nul- 
ling pins  provided  on  most  operational  amplifiers.  Resis- 
tor R2,  tied  to  +  10V,  provides  a  fixed  bias  current  to  one 
offset  node.  The  output  of  the  D/A  converter  is  connected 
via  R1  to  provide  a  variable  bias  current  to  the  other  offset 
node.  Therefore,  changing  the  code  on  the  D/A  converter 
provides  offset  adjust  for  the  operational  amplifier.  For 
symmetrical  adjustment,  the  bias  current  through  R2 
should  equal  the  current  in  the  other  offset  node  with  the 
half-full  scale  code  (i.e.  10000000)  on  the  D/A  con verter. 

Resistors  R1  and  R2  are  chosen  such  that  enough  current 
variation  over  the  DAC  code  range  is  given  to  provide  the 
required  range  of  offset  adjustment  for  the  op  amp  in 
question.  Reducing  the  values  of  R1  and  R2  increases  the 
range  of  offset  which  can  be  trimmed,  with  a  correspond- 
ing reduction  in  resolution. 

The  method  of  programmable  offset  adjustment  can  be 
used  with  most  operational  amplifiers  which  have  offset 
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nulling  pins  provided.  Table  I  shows  some  results 
achieved  with  four  popular  op  amps.  The  table  shows  the 
typical  range  of  offset  values  which  can  be  trimmed  using 
the  given  values  of  resistors  R1  and  R2.  It  also  gives  typi- 
cal figures  for  final  values  of  offset  achieved  after  using 
the  method  outlined  above. 

The  circuit  configuration  of  Figure  2  ensures  that,  for  in- 
creasing code  on  the  D/A  converter,  the  op  amp  offset 
goes  more  positive  when  using  the  first  three  op  amps  of 
Table  I.  For  the  TL091  and  other  op  amps  of  the  family 
(TL061,  TL071,  etc.)  the  trim  terminals  must  be  swopped 
(as  indicated  in  Figure  3)  to  ensure  that  for  increasing 
code  the  output  offset  will  go  in  the  positive  direction. 


Figure  2.  Offset  Adjust  Using  AD7226 

+  10V 
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Figure  3.  Offset  Adjust  forTL091 

The  trimming  of  op  amp  offsets  in  this  manner  increases 
the  offset  drift  temperature  coefficient  of  the  op  amp.  For 
example,  using  the  AD544  this  increase  will  be  3u,V/°C  per 
millivolt  of  offset  adjustment  assuming  Oppm/°C  temper- 
ature coefficient  for  the  external  resistors  R1  and  R2.  How- 
ever, the  same  drift  would  have  been  introduced  had  an 
external  trimpot  been  used  to  trim  the  offset.  The  method 
outlined  above  has  the  advantage  of  being  programma- 
ble and,  therefore,  any  drift  over  temperature  can  be  ad- 
justed out  during  a  periodic  calibration  cycle. 

The  programmable  input  offset  voltage  adjust  can  be 
used  to  deliberately  introduce  input  offset  voltage  into  the 
op  amp.  This  could  be  useful  in  a  system  context  where 
programmably  introducing  offset  at  a  node  in  the  system 
could  give  the  desired  value  at  the  output  of  the  system. 

The  first  three  op  amps  shown  in  Table  I  operate  from  dual 
supplies.  The  TL091  op  amp  is  specified  to  operate  at  5V 
single  supply.  The  AD7226  can  operate  at  5V  single  supply 
and  will  remain  monotonic  to  8-bits  under  these  condi- 


Final 

R2 

R1 

Range 

Offset 

Op  Amp 

(kft) 

(kft) 

(mV) 

(|xV) 

AD741 

1200 

1000 

±6.75 

-14.5 

AD544 

620 

500 

±2.75 

3.3 

AD542 

470 

360 

±2.4 

4.6 

TL091* 

1000 

500 

+  9.0 

2.5 

•Operating  in  Single  Supply  Vss  =  0V  VDD  =  +  15V. 
All  other  op  amps  dual  supply  ±  1 5V. 

Table  I.  Typical  Op  Amp  Offset  Results 

tions.  This  is  basically  all  that  is  required  forthe  configura- 
tions of  Figure  2  and  Figure  3  to  function.  The  5V  single 
supply  operation  of  the  AD7226  is  discussed  later  in  this 
application  note. 

Some  operational  amplifiers,  especially  duals  and  quads, 
do  not  have  trim  terminals  available  to  the  user.  The 
AD7226  can  still  be  used  to  provide  offset  adjustment  by 
programmably  varying  the  voltage  at  the  required  op 
amp  input  terminal.  One  such  configuration  is  outlined  in 
Figure  4.  The  noninverting  input  of  the  op  amp  is  offset 
in  a  negative  direction  via  R4  to  -  15V.  In  a  similar  fashion 
to  the  previous  method,  for  symmetrical  adjustment  the 
current  through  R4  should  equal  the  current  through  R3 
with  the  half-full  scale  code  on  the  D/A  converter.  Once 
again  increasing  the  digital  code  will  vary  the  offset  in  a 
positive  direction.  The  resistor  configuration  will  be  seen 
as  a  low  impedance  by  the  noninverting  input  of  the  op 
amp  to  prevent  noise  injection.  The  circuit  configuration 
does  not  affect  the  gain  or  transfer  function  of  the  op  amp. 
Using  the  TL044  quad  op  amp,  with  the  components 
values  given  in  Figure  4,  the  typical  range  of  offset  which 
could  be  trimmed  using  the  method  outlined  for  Figure  3 
was  ±5.5mV.  A  typical  figure  for  the  final  offset  value 
achieved  was  10u.V.  Similar  techniques  can  be  used  for 
other  op  amp  configurations. 


Figure  4.  Alternative  Offset  Adjust 
SET-POINT  CONTROLLER 

The  set-point  controller  circuit  of  Figure  5  allows  pro- 
grammable fine  and  coarse  adjust  of  the  output  voltage, 
Vout.  over  a  200V  range.  The  circuit  has  a  fine  adjust  reso- 
lution of  8mV  which  means  that  an  output  voltage  can  be 
set  in  the  range  -  100V  to  +  100V  to  within  +4mV. 

The  circuit  uses  DAC  A  as  a  programmable  coarse  adjust 
and  DAC  B  as  a  programmable  fine  adjust  of  the  output 
voltage.  DAC  A  has  an  effective  output  voltage  range  of 
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Figure  5.  Set-Point  Controller  Circuit 


- 1 00V  to  + 1 00V  over  the  digital  input  code  range  giving 
an  LSB  size  of  800mV  for  this  coarse  adjust  DAC.  DAC  B 
has  an  effective  output  voltage  range,  at  Vout.  of  2V  giv- 
ing an  LSB  size  of  8m  V  for  this  fine  adjust  DAC. 

Amplifier  A1  sums  the  output  of  both  DACs  and  provides 
a  bipolar  output  voltage,  Vx,  at  point  X.  Amplifier  A2,  with 
the  additional  level  shifting  circuitry,  provides  a  gain  of  10 
between  Vx  and  Vout-  In  general,  the  output  voltage  V0ut 
can  be  expressed  as: 


5i( 

R51 


2-V0 


Wa    Vr1  +  r2; 


ship  of  Vref  to  V|N  is  dependant  upon  digital  code  and 
upon  the  ratio  of  resistors  R1  and  R2.  It  can  be  expressed 
by  the  formula 

(1+G) 
Vref-1+g.Da  Vin 

where  G  =  R2/R1 

and  DA  is  a  fractional  representation  of  the  digital 
word  in  latch  A  (0=£ DA<255/256). 


)) 


For  the  component  values  given  in  the  circuit  of  Figure  5 
this  can  be  simplified  to  give  the  expression  for  Vout  as: 

vOUT=io(vOUTA.(f55o)  + 

V0UTB-(^)-(vREF)} 


The  resolution  of  the  fine  adjust  circuitry  can  be  changed 
by  varying  R2.  This  is  done  without  any  significant  effect 
on  the  overall  output  voltage  range.  Adjusting  R7  will 
change  the  output  voltage  range,  varying  the  resolution 
of  both  the  fine  adjust  and  coarse  adjust  DACs. 

This  circuit  of  Figure  5  is  capable  of  developing  ±100V 
across  a  2.7kll  load.  It  is  useful  in  set-point  controller  ap- 
plications or  in  a  programmable  power  supply.  The  other 
two  channels  of  the  AD7226  can  be  used  to  perform  nor- 
mal D/A  converter  functions  or  configured  as  above  to 
provide  a  second  set-point  controller. 


Figure  6.  Self-Programmable  Reference 
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The  circuit  of  Figure  6  shows  how  one  D/A  converter  of  the 
AD7226,  in  this  case  DAC  A,  may  be  used  in  a  feedback 
configuration  to  provide  a  programmable  reference  volt- 
age for  itself  and  the  other  three  converters.  The  relation- 


figure  7.  Variation  of  VREF  with  Feedback  Configuration 

Figure  7  shows  typical  plots  of  VREF  versus  digital  code  for 
three  different  values  of  R2.  With  VIN  =  2.5V  and  R2  =  3R1 
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the  voltage  at  the  output  of  A1  (i.e.  reference  voltage  for 
the  AD7226)  will  vary  between  +2.5Vand  +10Voverthe 
digital  input  code  range.  This  gives  an  effective  10-bit  dy- 
namic range  to  the  other  three  D/A  converter  outputs  with 
the  minimum  LSB  size  being  10mV  over  a  potential  full 
scale  output  range  of  0  to  1 0V. 

The  circuit  of  Figure  6  should  only  be  used  when  the 
AD7226  is  operated  from  dual  supplies  (i.e.  VSs=  -5V). 
One  reason  for  this  is  that  the  AD7226  is  specified  at  + 1 0V 
reference  voltage  only  for  single  supply  operation.  More 
importantly,  however,  is  the  fact  that  the  AD7226  has  re- 
duced current  sink  capability  at  output  voltages  near  OV 
when  used  in  single  supply  (see  AD7226  data  sheet).  This 
means  that  the  circuit  would  not  operate  correctly  at 
lower  values  of  digital  input  code.  For  correct  operation 
with  dual  supplies  R1  must  begreaterthan  6.8kn. 

Different  configurations  of  A1  and  resistors  can  be  de- 
vised to  give  other  ranges  of  reference  voltage.  It  must  be 
noted  that  varying  the  voltage  at  the  VREF  pin  varies  the 
reference  voltage  for  all  the  converters.  Whatever  config- 
uration devised  must  ensure  that  the  voltage  at  the  VREF 
pin  of  the  AD7226  must  never  go  negative  with  respect  to 
either  AGNDorDGND. 

THRESHOLD  TESTING 

In  test  systems  and  other  applications  it  is  necessary  to 
determine  whether  some  unknown  voltage  lies  within 
certain  limits.  In  these  cases  the  AD7226  can  be  used  with 
external  comparators  or  op  amps  to  provide  a  program- 
mable staircase  window  comparator.  The  voltage  levels 
on  the  comparator  and  the  window  sizes  are  determined 
by  the  digital  code  in  the  latches  of  the  D/A  converters. 
Figure  8  shows  one  such  application  where  the  AD7226 
can  be  used  to  measure  the  threshold  levels  of  a  TTL  de- 
vice undertest. 


Vouta  and  Voutb  of  the  AD7226  in  addition  to  the  six  exter- 
nal comparators,  form  a  staircase  window  comparator. 
Each  adjacent  pair  of  comparators  forms  a  window  of 
programmable  size.  When  a  voltage  lies  within  a  window, 
the  output  from  that  window  goes  high  .  Window  1  is  set 
with  an  upper  limit  of  VCc  =  5V  and  a  lower  limit  of 
Vouta  =  2.4V.  Window  2  has  an  upper  limit  of  2.4V  and  a 
lower  limit  of  0.4V,  while  Window  3  has  an  upper  limit  of 
0.4V  and  a  lower  limit  of  AGND  =  0V.  These  levels  can  be 
programmably  set  and  varied  as  required. 

The  staircase  window  comparator  circuit  is  used  in  testing 
the  output  threshold  levels  of  the  device  under  test 
(DUT1).  When  D8  goes  high,  SW1  is  set  so  that  400pA  is 
sourced  from  the  output  of  DUT1 .  The  V0h  of  DUT1  is  ap- 
plied to  the  staircase  window  comparator.  For  the  part  to 
pass  its  V0h  test,  the  output  from  Window  1  must  go  high. 
Any  other  window  going  high  indicates  that  the  device 
fails.  When  D8  goes  low,  SW1  is  switched  so  that  the  out- 
put of  DUT1  will  sink  16mA  and  the  Vol  of  DUT1  is  meas- 
ured. Window  3  of  the  staircase  window  comparator  must 
go  high  for  the  device  to  pass  its  Voidest. 

Window  2  is  not  really  necessary  in  the  application 
shown.  However,  it  has  been  included  to  demonstrate  the 
non-overlapping  staircase  comparator  configuration. 
Voutc  and  Voutd  of  the  AD7226,  along  with  additional 
comparators,  can  be  used  to  extend  the  staircase  window 
comparator  to  give  five  programmable  non-overlapping 
windows.  The  window  structure  for  these  five  non-over- 
lapping windows  is  shown  in  Figure  9  with  the  upper  limit 
of  the  staircase  now  at  VREF.  If  overlapping  windows  are 
required,  the  configuration  can  easily  be  adapted  as 
shown  in  Figure  10a.  In  this  case  all  four  outputs  are  used 
with  the  external  comparators  to  provide  three  overlap- 
ping windows.  The  window  structure  forthis  overlapping 
window  configuration  is  shown  in  Figure  10b. 


DUT  1 


Figure  8.  Threshold  Testing 
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Figure  10a.  Overlapping  Windows 
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Figure  10b.  Window  Structure 
Vss  GENERATION 

Operating  the  AD7226  from  dual  supplies  results  in  en- 
hanced performance  over  single  supply  operation  on  a 
number  of  parameters.  The  negative  Vss  gives  additional 
headroom  to  the  output  amplifier  which  results  in  im- 
proved negative-going  settling-time,  improved  zero  code 
error  performance  and  an  extended  input  reference 
range.  Some  applications  may  require  this  enhanced  per- 
formance but  may  only  have  a  single  power  supply  rail 
available.  The  following  circuits  show  some  methods  of 
generating  a  negative  Vssfrom  a  single  power  supply  rail 
fortheAD7226. 

Figure  1 1  shows  one  such  method  of  generating  a  nega- 
tive supply  using  one  CD4049,  operated  from  a  VDD  of 
+  15V.  Two  inverters  of  the  hex  inverter  chip  are  used  as 
an  oscillator.  The  other  four  inverters  are  paralleled  and 
used  as  buffers  for  higher  output  current.  The  square- 
wave  output  is  level  translated  to  a  negative-going  signal, 


then  rectified  and  filtered.  The  circuit  configuration 
shown  will  provide  an  output  voltage  of  -5.1V  for  current 
loadings  in  the  range  of  0.5mA  to  8mA.  This  will  sat  sfy 
the  AD7226  lSs  requirement  over  the  commercial  operat- 
ing temperature  range.  Noise  spikes  which  are  generated 
on  this  VSs  line  from  the  clock  can  be  considerably  re- 
duced by  decoupling  the  VDD  supply  line  to  the  C 


Figure  1 1.  VSs  Generation  Circuit 

An  alternative  method  of  generating  a  negative  supply 
from  a  positive  rail  is  to  use  Analog  Devices  AD7560,  a  DC- 
DC  voltage  converter.  This  can  provide  a  -5V  supply 
from  a  +  5V  rail.  The  circuit  configuration  used  to  achieve 
this  is  outlined  in  Figure  12. 


+  VDD  I+5V) 


C1.C2:10ixF'lOV 
Cclk:  ">F 


Figure  12.  AD7560  Giving  -5V 

Some  applications  may  require  a  +  5V  reference  but  may 
only  have  a  single  supply  rail  available.  The  AD7226  is 
specified  at  +5V  reference  when  used  with  dual  supplies 
only.  The  circuit  of  Figure  13  could  prove  useful  in  such 
applications.  It  provides  a  VSs  of  -  5V,  the  +  5V  reference 
and  VOD  of  +11.4V  to  +16.5V  from  a  single  +16.4V  to 
+  21.5V  power  supply  rail  (in  battery  applications  two  9V 
batteries  in  series).  The  AD584  is  a  pin-programmable 
precision  voltage  reference.  The  AD380  op-amp  buffer  es- 
tablishes the  "ground"  for  the  AD7226  midway  between 
0  and  +1 0V.  Hence,  pin  1  of  the  AD584  can  be  used  as  the 
+  5V  reference  for  the  AD7226.  The  V  -  of  the  input  signal 
is  used  to  provide  a  VSs  of  -5V.  If  the  input  voltage  can 
exceed  the  limits  above  (i.e.,  +16.4Vto  +21.5V)  a  zener 
diode  may  be  required  to  provide  a  regulated  supply  volt- 
age to  the  VDD  pin  of  the  AD7226.  The  voltage  at  the  VDD 
pin  must  never  exceed  +  17V  with  respect  to  the  AD7226 
"ground". 
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Figure  13.  Voltage  Splitting  Using  AD584 


5V  SINGLE  SUPPLY  OPERATION 

The  AD7226  can  be  operated  from  a  single  +5V  power 
supply  rail,  but  because  the  output  amplifier  now  loses  a 
considerable  amount  of  headroom,  the  performance  of 
the  part  is  degraded.  However,  one  important  parameter 
which  retains  its  specified  performance  is  differential 
nonlinearity.  At  a  single  +  5V  supply  this  remains  within 
±1LSB  which  ensures  that  the  AD7226  will  remain 
monotonic  over  the  output  voltage  range. 

This  monotonic  operation  makes  the  AD7226,  at  single 
+  5V  supply,  suitable  for  applications  where  the  absolute 
value  (or  accuracy)  of  the  output  voltage  is  not  important 
but  where  it  is  essential  that  the  output  increases  as  the 
digital  code  increases.  An  example  of  this  type  of  applica- 
tion has  already  been  outlined  in  this  application  note: 
trimming  the  offset  of  operational  amplifiers. 

The  required  overhead  voltage  of  4V  between  the  refer- 
ence voltage  and  the  VDD  input  must  still  be  maintained 
under  these  conditions.  This  means  that  the  reference 
voltages  must  remain  below  1 V  to  ensure  monotonic  op- 
eration. At  these  low  reference  voltages,  the  output  offset 
voltage  is  obviously  very  large  with  respect  to  the  input 
reference  and  the  relative  accuracy  is  also  degraded. 
However,  the  output  voltage  does  increase  as  the  input 


digital  code  varies  from  0  to  255.  This  can  be  seen  from 
the  plot  of  Figure  14  which  shows  differential  nonlinearity 
for  single  +  5V  supply  at  a  reference  of  600mV,  Figure  15 
shows  a  plot  of  relative  accuracy  for  the  same  part  under 
the  same  conditions.  Additionally,  the  digital  input 
threshold  levels  and  digital  input  currents  are  not  affected 
by  operating  the  AD7226from  the  single  +  5V  supply  rail. 


96         128        180        192  2! 
INPUT  CODE 


Figure  14.  Differential  Nonlinearity  at  SVVDD 


128  160 
INPUT  CODE 


Figure  15.  Relative  Accuracy  at  5V  Vdd 
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DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


AD7528  Dual  8-Bit  CMOS  DAC  Application  Note 

by  Paul  Toomey  and  Bill  Hunt 


INTRODUCTION 

The  AD7528  is  a  monolithic  dual  8-bit  CMOS  DAC  pack- 
aged in  a  20-pin  DIP.  Each  DAC  has  its  own  8-bit  data  latch 
which  loads  data  from  a  common  8-bit  data  bus  (see  Fig- 
ure 1).  Since  both  DACs  are  fabricated  on  the  same  chip, 
precise  matching  and  tracking  between  DACs  is  inherent. 
This  property  of  the  AD7528  dual  DAC,  along  with  the  P.C 
board  space  saving  it  allows,  makes  the  AD7528  a  unique 
and  extremely  useful  device. 


Figure  1.  AD7528  Functional  Diagram 

This  note  discusses  the  AD7528  applications  circuits 
listed  below.  Several  of  these  circuits  rely  on  the  DAC  to 
DAC  matching  provided  by  the  AD7528.  All  of  the  circuits 
benefit  from  the  high  packing  density  the  AD7528  allows, 
especially  when  used  with  dual  and  quad  op-amps  such 
as  the  AD644  or  TL074.  Not  discussed  in  this  note  are 
basic  details  of  AD7528  operation,  consult  the  data  sheet 
forthis  information. 


5.  Programmable  gain  amplifierwith  notrimpots. 

6.  Programmable  waveform  generator  for  vector  scan 
CRT  displays. 

7.  AD7528  single-supply  operation  circuits  for  low  I 
budget  applications  requiring  multiple  analog  outputs  I 

STATE  VARIABLE  FILTER  WITH  PROGRAMMABLE 
CENTER  FREQUENCY,  SELECTIVITY  (Q)  AND  GAIN 

The  state  variable  filter  (or  universal  filter  as  it  is  often 
called)  is  a  convenient  2nd  order  filter  block.  It  provides 
simultaneous  low-pass,  high-pass  and  bandpass  outputs. 
All  filter  parameters  can  be  readily  adjusted.  Figure  2 
shows  a  typical  filter  circuit  with  expressions  for  center 


STATE  VARIABLE  FILTER 


BANDPASS  OUTPUT 


Figure  2.  State  Variable  Filter 

BANDPASS  TRANSFER  FUNCTION 

VOUT(f)  =  Ap 

vIN 


f„= 


1 


2irR3C 


(ForR3  =  R4) 


AD7528  APPLICATIONS  DISCUSSED  IN  THIS  NOTE 

1 .  State-variable  filter  (S.V.F.)  with  programmable  center 
frequency,  selectivity  and  gain. 

2.  Programmablesinewaveoscillatorwith  linear  control. 

3.  Function  fitting  sine  wave  synthesizer  with  amplitude 
control  facility  and  programmable  phase  shift. 

4.  Programmable  voltage/current  source,  unipolar  and 
bipolarcircuits. 


A0 


R6  R2 
R8 '  R5 
_R2 
R1 


R8 
R7 


Where  f  =  frequency  of  V,N 

Ao  =  gain  at  f  =  f„ 

Q  =  circuit  Qfactor,  i.e.. 


f„=  resonant  frequency. 
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CIRCUIT  EQUATIONS : 

C1  =  C2.  R3  =  R4.  R7  =  R8 


1 


Ao 


2ttR3C1 
Q  =  R§.R2_ 
R8  R5* 
R2 


For  Bandpass  Output 


DAC  EQUIVALENT  RESISTANCE  EQUALS 
256  x  (DAC  LADDER  RESISTANCE) 
DAC  DIGITAL  CODE  (DECIMAL) 


NOTES: 

■C3  IS  A  COMPENSATION  CAPACITOR  TO  ELIMINATE  Q  AND  GAIN 
VARIATIONS  CAUSED  SV  AMPLIFIER  GAIN  BANOWIOTH  LIMITATIONS 


n*™  V        +15V    OB0-DB7       ^  r£c%  2  x  AD644.  FOR  COMPONENT  VALUES  SHOWN  PROGRA 

,ANGE,SO^TO.,,.=0,o,5>H,. 


Figure  3.  Dig 


'  Controlled  State  Variable  Filter 


Introducing  the  DACs  as  Control  Elements: 

By  replacing  R1,  R2  and  R3,  R4  with  matched  DAC  pairs 
the  filter  parameters  can  be  made  programmable  as 
shown  in  Figure  3.  DAC  A1  and  DAC  B1  control  filter  gain 
and  Q,  while  DAC  A2  and  DAC  B2  control  center  frequency 
(f0).  For  the  component  values  shown  the  programmable 
Q  range  is  from  0.3  to  4.5  and  is  independent  of  f0  (see 
Figure  4).  Center  frequency  (fc)  is  programmable  from  0 
to  1 5kHz  (see  Figure  5)  and  is  independent  of  Q. 


Q  =  S.O 


Figure  5.  Filter  f0  Variation 

Programming 

The  graph  in  Figure  6  shows  how  the  circuit  Q  varies  with 
DAC  B1  code  and  Figure  7  shows  how  the  center  fre- 
quency varies  with  DAC  2  (A  and  B)  code  for  the  compo- 
nent values  given  in  Figure  3.  Gain  variation  alone  is 
accomplished  by  changing  DAC  A1  code.  Unity  gain  oc- 
curs when  the  data  in  DAC  A1  and  DAC  B1  latches  is  iden- 
tical. Since  the  AD7528's  logic  inputs  are  TTL  or  CMOS 
compatible,  the  DACs  are  readily  interfaced  to  most 
microprocessors,  (see  data  sheet  for  hookups)  thus  pro- 
viding an  ideal  microprocessor-to-filter  interface. 
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Figure  6.  Filter  Q  Variation  with  Code 
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Figure  7.  Filter  f„  Variation  with  Code 

PROGRAMMABLE  SINE  WAVE  OSCILLATOR  WITH 
LINEAR  CONTROL 

Frequency  control  of  many  oscillator  circuits  can  be 
accomplished  using  two  ganged  potentiometers.  How- 
ever, the  two  potentiometers  must  track  precisely  over 
their  full  temperature  range  if  a  linear  response  is  re- 
quired. Figure  8  shows  a  high  performance  sine-wave  os- 
cillator realized  using  a  state-variable  filter.  The  frequency 
of  oscillation  is  set  by  ganged  potentiometers  P1  and  P2. 
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Figure  9  shows  the  same  circuit  with  PI  and  P2  replaced 
bytheAD7528  matched  pairs. 


Figure  8.  Sine  Wave  Oscillator  Using  a  State  Variable  Filter 


4  x  IN914 


Figure  9.  Programmable  Sine  Wave  Oscillator  Using  a 
State  Variable  Filter  and  a  Dual  DAC 


The  equivalent  resistance  of  each  DAC,  as  seen  by  op- 
amps  A2  and  A3  varies  with  input  code  from  infinity  at 
code  00  Hex  (0000  0000)  to  a  minimum  of  =  1 1kfl  (DAC 
ladder  resistance)  at  code  FFHEX  (1111  1111). 


OUTPUT 
FREQUENCY 


00  20 


DAC  A  AND  DAC  B  INPUT  CODE  IHEXI 

Figure  10.  Frequency  vs.  DAC  Code  for  Programmable 
Sine  Wave  Oscillator  (Figure  9) 


Loading  each  DAC  latch  with  the  same  code  provides  a 
linear  code  versus  frequency  relationship  as  shown  in  Fig- 
ure 1 0.  The  frequency  of  oscillation  can  be  expressed  as: 


Output  Frequency 
Where  R 


N 


Hz 


256(2ttRC) 
DAC  ladder  resistance  i.e.  VREF  input 
resistance. 
C    =  is  as  shown  in  Figure  9. 
N    =  decimal  representation  of  digital  input 

code.  Forexample,  N  =  128  for  input  code 
10000000. 

For  the  component  values  given  in  Figure  9,  output  fre- 
quency is  variable  from  0  to  15kHz.  Output  amplitude  is 
controlled  by  the  zener  diode  D1.  Total  harmonic  distor- 
tion for  the  circuit  shown  is  -53dB  at  low  frequencies 
(1kHz)  and  -43dB  at  higher  frequencies  (14kHz).  Note 
that  a  cosine  output  is  also  available  at  the  output  of  op- 
amp  A2. 

FUNCTION  FITTING  SINE  WAVE  SYNTHESIZER 

In  this  application  the  multiplying  capabilities  of  the  two 
CMOS  DACs  are  used  to  synthesize  a  sine  wave  based  on 
a  function  fitting  technique.  This  allows  very  low  fre- 
quency, highly  stable  sine  waves  to  be  generated. 

Function  Fitting: 

Function  fitting  is  a  technique  for  translating  a  mathemati- 
cal or  empirical  relationship  from  one  medium  (such  as  a 
mathematical  formula)  to  another  medium  (usually  a 
physically  realizable  device  or  system).  This  application 
uses  the  dual  DAC  to  implement  a  one  quadrant  sin  X  ap- 
proximation in  the  form  of  the  quadratic  polynomial. 

Y=  1.828N -0.828      where  0  £  N  s  1  and  N  =  -  X 

IT 

The  graph  of  Figure  11  shows  the  relationship  between 
sin  X  and  its  quadratic  approximation  given  above.  The 


Figure  1 1.  Relationship  Between  Sin  X  and  its 
Quadratic  Approximation 

circuit  of  Figure  12  implements  the  function  by  ramping 
N  up  and  down  using  an  up/down  counter,  and  switching 
the  circuit  output  polarity.  This  generates  sin  X  in  four 
stages  (see  Figure  13). 

Circuit  Operation:  (Figure  12) 

An  input  clock  drives  the  up/down  counter  in  real  time. 
The  counter  is  connected  so  that  it  counts  up  and  down 
continuously,  providing  an  output  pulse  at  "borrow" 
every  time  it  reaches  the  all  zeros  count. 
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Figure  12.  Function  Fitting  Sine  Wave  Generator 


DAC  A  produces  a  triangle  waveform  consisting  of  two 
ramps  of  opposite  slope,  each  generated  in  256  steps  at 
op-amp  A1  output.  This  is  the  N  variable. 
DAC  B  is  driven  with  the  same  digital  word  as  DAC  A.  Its 
reference  input  is  driven  by  op-amp  A1,  thus  DAC  B  multi- 
plies the  digital  version  of  N  by  the  analog  version  of  N 
to  produce  an  output  from  op-amp  A2  of  -  N2  (negative 
sign  is  due  to  inversion  through  A2). 

Since  the  N  and  -  N2  signals  are  of  opposite  polarity,  the 
Y  =  1.828N-0.828N2  expression  is  implemented  by  sum- 
ming N  and  -  N2  signals  in  the  correct  ratios  determined 
byRAandRB. 

The  analog  switch,  in  conjunction  with  op-amp  A4, 
changes  the  circuit's  output  polarity  at  one-half  the 
triangle  wave  frequency,  thus  producing  both  positive 
and  negative  halves  of  the  sine  wave. 


A4  OUTPUT:  COMPLETED  SINE  WAVE 


Figure  13.  Sine  Wave  Synthesis  Using  Function  Fitting 
Distortion: 

Distortion  in  the  output  sine  wave  is  a  function  of  the 
quadratic  approximation  fit  to  the  sine  curve.  Errors  in  the 
values  of  RA  and  RB  will,  therefore,  contribute  directly  to 
distortion.  If  RA  is  made  adjustable  over  a  small  range,  it 
can  be  trimmed  to  minimize  distortion.  Distortion  was 
measured  for  the  circuit  of  Figure  12  at  -33dB  and  was 
constant  over  sine-wave  frequency  0-2.5kHz. 


The  circuit  of  Figure  12  generates  constant  amplitude  sine 
waves  in  the  0-2.5kHz  frequency  range.  Output  frequency 
is  given  by 

fclk 

f°"T  =  T024 

It  is  possible  to  obtain  rapid  frequency  sweeping  by  var- 
ing  the  input  clock  rate.  The  counter  up/down  output  pro- 
vides a  useful  zero  crossing  pulse.  By  applying  an  ac  sig- 
nal to  the  DAC  A  reference  input,  the  output  sine  wave  can 
be  amplitude-modulated  as  shown  in  Figure  14. 


AMPLITUDE 
MODULATED 
OUTPUT 


V„r  A  INPUT 


Figure  14.  Amplitude  Control  Using  DAC  A  Reference 
Input 


Output  amplitude  is  directly  controlled  by  the  voltage 
level  on  DAC  A  reference  input.  Ac  or  dc  signals  may  be 
used  within  the  range  ±10  volts,  0  to  10kHz.  Figure  14 
shows  the  amplitude  of  a  1  kHz  sine  wave  being  controlled 
by  a  55Hz  sine  wave. 

Programmable  Phase 

Two  sine  waves  with  0  to  360°programmable  phase  re- 
lationship can  be  generated  by  running  two  of  the  circuits, 
shown  in  Figure  12,  from  the  same  input  clock  source.  By 
allowing  one  circuit  to  start  running  from  zero  count  a  pre- 
set number  of  clock  cycles  before  the  other,  a  phase  differ- 
ence between  their  output  sine  waves  is  introduced  (see 
Figure  15). 

Since  each  complete  cycle  is  generated  by  1024  clock  cy- 
cles, phase  steps  of  360/1 024  degrees  are  programmable. 
Note  also  that  the  phase  difference  is  independent  of  out- 
put frequency. 
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Figure  15.  Programmable  Phase  Relationship 


PROGRAMMABLE  VOLTAGE/CURRENT  SOURCE 
USING  DUAL  DAC  AD7528 

The  circuit  in  Figure  16  is  that  of  a  unipolar  V/l  source.  A 
negative  reference  is  required  for  a  positive  output 
voltage. 

The  circuit  provides; 

(a)  A  programmable  output  voltage 


Vqut=  +VrefA 


Na_ 
256 


forNA  =  0to255. 


provided  the  current  limit  is  not  exceeded. 

(b)  In  the  voltage  mode,  a  programmable  load  current 
limit  given  by: 


'oUTImax) 


Al.  A2  and  A3.  A4  -  AD644 


Figure  16.  Programmable  Voltage/Current  Source  V0ut  = 
0  to  +  10V,  lour  =  Oto  +  10mA 

(c)  A  constant  current  feature  by  setting  NA  =  255  i.e., 
maximum  output  voltage  capability,  and  limiting  the 
load  resistance  value  RL  such  that 

'oUTImax) 


•  RL  <  H  VREFA 


with  l0UT  (max)  =  VREFB  .-Slf.^jgl 


Nb. 
256 


as  in  (b). 

A  useful  feature  of  the  circuit  is  the  possibility  of  load  cur- 
rent "readback"  in  the  voltage  mode  (or  load  voltage 
readback  in  the  current  mode).  By  monitoring  point  X  in 
Figure  16,  as  the  current  limit  value  is  reduced,  a  state 
change  will  take  place  when  current  limit  is  attained.  The 
set  current  limit  value  will  correspond  to  the  load  current. 

In  the  circuit  DAC  A  with  amplifier  Al  and  buffer  A3  acts 
as  a  standard  programmable  voltage  source  when  VREFA 
is  held  constant.  The  voltage  drop  across  resistor  RS2  pro- 
vides a  voltage  proportional  to  load  current  with  RS1  act- 
ing as  a  current  limit  on  amplifier  A2.  Amplifier  A4  with 
resistors     and  R2  references  the  voltage  across  Rs2to 

ground  and  also  provides  gain       ).  The  output  of  A4 


WITH  OUTPUT  VOLT; 


Al  =  AD544 
A2.A3  ib  AD644 
A4.A5     =  AO$44 


Figure  17.  Programmable  Voltage/Current  Source  with 
Bipolar  Output 


DIGITAL-TO-ANALOG  CONVERTERS  8-117 


is  compared  with  a  proportion        of  VpccB  (usuallv 

Nd 

If  V0ut4  <  Vrefb  55I ttien  the  current  limit  is  not  required 
and  amplifier  A2  output  is  disconnected  as  diode  D1  is  re- 
versed biased. 

Figure  17  shows  a  similar  circuit  for  bipolar  operation,  i.e., 
Oto  ±10Vat0to  ±10mA. 

DUAL  DAC  PROGRAMMABLE  GAIN  AMPLIFIER  WITH 
NO  TRIMPOTS 

A  unique  advantage  of  the  matched  DACs  available  in  the 
AD7528  is  utilized  in  the  programmable  gain/attenuation 
circuit  shown  in  Figure  18.  The  equivalent  resistance  of 
each  DAC  from  its  reference  input  to  its  output  is  used  to 
replace  the  input  and  feedback  resistors  in  the  standard 
inverting  amplifier  circuit.  By  loading  DACs  A  and  B  with 
suitable  codes,  programmable  gain/attenuation  over  the 
range  -48dBto  +48dB  can  be  achieved. 

In  the  circuit  of  Figure  18,  the  DAC  equivalent  resistances 
are  given  by: 


Rdaca  = 


256RLDA 


and  RpAC^  = 


256RLDB 
NB 


STANDARD  CIHCUrT 


VinO  Wv  *■ 


V,„0— W,  *—\ 


DAC  A  ) 

— -A? 


1  -  NA  -  2S5 
1    NB  256 


Figure  18.  Dual  DAC  Programmable  Gain  Amplifier 


"OUT  _ 
V,N 

This  simplifies  to 

VOUT 

Vin 


NB 


RLDBNA 


256RLDA 


RLDANB 

But  since  DAC  A  and  DAC  B  are  a  matched  pair,  RLDA  = 
RLDB.  This  simplifies  the  expression  even  further  to  give: 
VpuT__NA  1sNA<255 
V,N  _     NB  1<NB£255 

Notice  that  DAC  ladder  resistance  does  not  appear  in  the 
expression.  Previous  PGA  circuits  using  DACs  have  al- 
ways had  to  be  trimmed  to  accommodate  the  DAC  ladder 
resistance  which  usually  has  a  wide  tolerance  (typically  8k 
to  20k).  This  circuit  does  not  suffer  from  this  problem 
since  Ri_nA  and  R|_dB  are  matched  to  better  than  1%. 
Notice  also  that  the  circuit  has  a  constant  input  resistance 
of  RldA.  The  two  unused  feedback  resistors,  RpBA  and 
RFBB  are  also  precisely  matched  and  could  be  used  to  pro- 
vide other  DAC  code  vs.  gain  relationships. 

PROGRAMMABLE  WAVEFORM  GENERATOR  FOR 
VECTOR  SCAN  CRT  DISPLAYS 

Figure  19  shows  the  dual  DAC  in  a  triangle/rectangle  wave 
generator  in  which  the  period  of  each  half  cycle  can  be 
programmed.  Such  a  circuit  is  useful  for  vector  scan  CRT 
displays  to  generate  variable  rate  sweep  signals  (depend- 
ing upon  whether  a  long  or  short  vector  is  to  be  drawn). 
DAC  A  determines  the  ramp  rate  for  the  positive  going 
ramp  of  the  triangle  while  DAC  B  determines  the  ramp 
rate  for  the  negative  going  ramp.  The  integrator  output 
voltage  is  sensed  by  comparators  A4  and  A5.  When  this 
voltage  reaches  +10Vor  -10V  the  comparators  drive  the 
R-S  flip-flop  G1  and  G2  which  selects  the  output  of  the  ap- 
propriate DAC  via  the  double-pole  ganged  analog  switch 
SW1.SW2. 

The  switching  arrangement  shown  has  the  advantage 
that  high  speed  switches  (such  as  CD  401 6  or  AD751 9)  can 
be  used  to  change  between  the  two  DACs  without  in- 
troducing significant  output  glitches  at  the  changeover. 


Al,  A2  =  AD644  A3  -  ADS44  A4.  AS  -  AD311 
SW1.  SW2  -  AD7512  OR  AD7519 


Figure  19.  Digitally  Programmable  Waveform  Generator 
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Furthermore,  one  DAC  can  be  updated  from  the  data  bus 
and  allowed  to  settle  while  the  output  of  the  other  DAC  is 
being  used  to  generate  the  ramp  signal.  The  output  of  flip- 
flop  G1  and  G2  automatically  connects  the  "unused  DAC" 
to  the  data  bus  for  further  data  update  if  necessary.  The 
output  of  the  flip-flop  can  be  used  to  drive  the  interrups 
of  a  microprocessor  if  required. 

Selecting  Waveform  Parameters: 

The  period  (t)  of  the  waveforms  generated  by  the  circuit 
is  given  by: 


t  =  512RC 


Lna  nbJ 


where  NA  and  NB  are  the  DAC  A,  DAC  B  codes  in  decimal 
(1-255)  respectively. 

If  DAC  A  and  DAC  B  latches  contain  the  same  codes,  the 

expression  simplifies  to: 

1024  RC  .  NA 
i.e.,  outputfrequency f 


t  = 


Hz 


NA       '  ^        '  1024RC 

The  mark-to-space  ratio  of  the  rectangle  wave  output  is 
dependent  on  the  ratio  of  NB  to  NA 

MarktoSpaceRatio  =  ^ 

A  special  case,  exists  when  the  code  in  either  DAC  is  zero. 
In  this  case  the  circuit  will  stop  oscillating  as  the  integrator 
input  voltage  will  be  zero.  If  the  all  zeros  condition  can 
occur,  it  is  advisable  to  connect  a  10Mfi  resistorfrom  the 
VREF  terminal  to  the  output  terminal  of  each  DAC,  i.e, 
VREFA  to  OUT  A  and  VREFB  to  OUT  B.  This  provides  suffi- 
cient bias  current  to  keep  the  circuit  oscillating,  and  does 
not  affect  frequency  calculations  significantly  as  the  10M 
resistor  introduces  only  1/4  LSB  of  additional  error  into 
each  DAC  output. 


AD7528  SINGLE  SUPPLY  OPERATION 

In  low  budget  digital  designs  requiring  analog  outputs, 
the  cost  of  adding  an  extra  power  supply  rail  for  the  DAC 
circuits  can  be  a  limiting  factor.  The  AD7528  in  the  single 
supply  configurations  shown  below  provides  an  ideal 
cost  effective  solution  for  such  applications  (especially 
where  multiple  analog  outputs  are  required). 

Single  Supply,  Voltage  Switching  Mode: 

In  this  mode,  the  normal  DAC  R-2R  ladder  is  inverted.  The 
reference  voltage  is  applied  to  the  DAC  OUT  A  or  OUT  B 
terminal  and  the  output  voltage  is  taken  from  the  DAC 
VBEFA  or  VREFB  terminal.  For  the  DACs  to  retain  their 
specified  linearity,  the  reference  voltage  range  must  be 
restricted  as  follows: 
ForVDD=  +15V,VBEFmax  =  +2.5V 

ForVDD=  +  5V,VREFmax  =  +0.5V 

Figure  20  shows  a  circuit  for  use  with  a  + 15  volt  power 
supply  giving  four  separate  0  to  +  10V  outputs.  The  op- 
amps  used  have  a  Class  A  output  configuration  for  small 
signal  levels,  thus  allowing  their  outputs  to  go  to  zero 
volts  for  zero  volts  input.  At  higher  signal  levels,  the  out- 
puts convert  to  Class  B. 

Single  Supply,  Current  Steering  Mode: 

This  mode  of  operation  is  described  in  the  AD7528  data 
sheet,  and  is  suitable  for  single  +10voltto  +15  volt  sup- 
ply operation.  This  is  achieved  by  biasing  the  AD7528  ana- 
log ground  (AGND)  +5  volts  above  the  power  supply 
ground.  Unlike  the  previous  circuits  the  available  drive  for 
the  DAC  switches  is  now  VDd  -  5  volts  so  the  5  volt  specifi- 
cations apply  for  linearity.  Figure  21  shows  how  a  +2  volt 
to  +8  volt  analog  output  may  be  obtained  using  two  op- 
amps  per  DAC.  The  two  DAC  reference  inputs  are  tied 


DIGITAL-TO-ANALOG  CONVERTERS  8-119 


i  


_0VDD  =  +  10V  TO  +  15V 


33-3k  20k 


 Vou,A  =  +2VTO  +8V 

(FOR  DAC  CODE  1111  1111 


,  B  =  +2VTO  +8V 
(FOR  OAC  CODE  1111  1111 
TO  0000  0O00I 


A1,  A2,  A3,  A4  =  CA324A  QUAD  OP-AMP 


 O  GROUND 


Figure  21.  AD7528  Single  Supply  Operation  with  AGND  Biased  to  +5  Volts 


together  and  a  reference  input  voltage  is  obtained  without 
a  buffer  amplifier  by  making  use  of  the  constant  and 
matched  impedances  of  the  DAC  A  and  DAC  B  reference 
inputs.  Current  flows  through  the  two  DAC  R-2R  ladders 
into  R1 ;  R1  is  adjusted  until  VREFA  and  VREr-B  inputs  are  at 
+  2  volts.  The  adjustment  is  independent  of  either  DAC 
code. 

Each  analog  output  channel  has  a  +  2  to  +  8  volt  range  for 
DAC  codes  1111  1111  to  0000  0000. 


Reference 

Dan  H.  Sheingold,  "Nonlinear  Circuits  Handbook,"  avail- 
able from  Analog  Devices. 

D.  P.  Burton,  Application  Note  "Methods  For  Generating 
Complex  Waveforms  And  Vectors  Using  Multiplying  D/A 
Converters"  Analog  Devices  Publication  Number:  E671- 
15-9/81. 

Application  Guide  to  CMOS  Multiplying  D/A  Converters, 
Analog  Devices  Publication  Number:  G479-1 5-8/78. 
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Simple  Interface  Between  D/A  Converter  and  Microcomputer 
Leads  to  Programmable  Sine-Wave  Oscillator 

by  John  Wynne 


This  application  note  outlines  a  very  simple  interface  be- 
tween the  AD7542,  a  1 2-bit  CMOS  D/A  converter,  and  one 
of  the  most  popular  industry  building  blocks  available,  the 
8-bit  MCS-48  microcomputerfamily.  The  interface  is  used 
in  a  circuit  which  generates  programmable  low  distortion 
sine  waves.  The  circuit  is  based  upon  repeatedly  adding 
a  known  constant  to  an  accumulator  which  in  turn  scans 
a  sine  look-up  table.  The  data  from  this  table  is  presented 
to  the  DAC  for  conversion  into  an  analog  waveform. 
Changing  the  constant  changes  the  generated  output 
frequency. 

THE  INTERFACE 

The  AD7542  accepts  data  in  three  4-bit  nibbles  over  a  4-bit 
wide  data  bus.  The  data  is  stored  in  three  4-bit  data  regis- 
ters until,  under  program  control,  the  new  12-bit  word  is 
transferred  to  the  DAC  register  to  update  the  analog  out- 
puts (see  Figure  1).  Internal  register  selection  is  achieved 
by  decoding  the  address  inputs  AO  and  A1  as  shown  in 
Table  I.  All  data  loading  or  data  transfer  operations  are 
synchronized  to  the  rising  edge  of  the  control  signal  WR. 


A1 

(Pin  11) 


Register  Selected 


Low  Byte  Register 
Mid  Byte  Register 
High  Byte  Register 
DAC  Register 


Table  I.  AD7542 Internal  Register  Decoding 

On  all  MCS-48  microcomputers  the  lower  half  of  Port  2, 
P20-P23,  can  be  used  for  I/O  expansion  with  a  dedicated 
I/O  expander  device,  the  8243.  The  8243  contains  four  4- 
bit  I/O  ports  which  serve  as  extension  of  the  on-chip  I/O 
and  are  addressed  as  ports  4-7  with  their  own  MOV,  ANL 
and  ORL  instructions. 

All  communications  between  the  MCS-48  microcomputer 
and  the  8243  occurs  over  P20-P23  with  timing  provided 
by  on  output  pulse  on  the  PROG  pin  of  the  processor.  The 
AD7542  is  interfaced  to  the  MCS-48  microcomputer  over 
P20-P23  and  is  accessed  by  the  processor  as  if  it  were  an 
8243.  However,  only  the  Transfer  Accumulator  to  Port  in- 
structions are  used  in  the  interface.  Each  transfer  consists 
of  two  4-bit  nibbles,  the  first  containing  the  "op-code"  and 
port  address  and  the  second  containing  the  actual  4-bits 
of  data. 

Referring  to  Figure  2,  a  high  to  low  transition  of  the  PROG 
line  indicates  that  address  and  op-code  information  are 
present  on  P20-P23.  The  port  address  on  lines  P20  and 
P21  must  be  externally  latched  at  this  point  in  time.  The 
MCS-48  timing  ensures  that  the  falling  edge  of  PROG 
coincides  with  the  falling  edge  of  ALE.  Thus  ALE  is  used 
to  latch  the  port  address  information  into  an  external 
7475-type  latch.  The  op-code  information  is  not  used  in 
this  application.  When  PROG  returns  high,  the  4-bit  wide 
bus  contains  valid  data.  By  driving  the  WR  input  of  the 
AD7542  with  the  PROG  line,  valid  data  is  loaded  into  the 
AD7542  at  this  time. 


Figure  1.  AD7542  Functional  Block  Diagram 
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Figure  2.  Expander  I/O  Interface  Timing 


Nibble  1 
P23  P22  P21  P20 


Nibble  2 
P23  P22  P21  P20 


X     X     A  A 


Op-Code  Address 


(MSB)  DATA  (LSB) 


Port 

A(P21> 

A(P20) 

Selected 

0 

0 

Port  4 

0 

1 

Port  5 

1 

0 

Port  6 

1 

1 

Port  7 

Table  II.  Expander  I/O  Multiplexed  Bus  (P20-P23) 

Table  II  shows  the  two  nibbles  of  a  transfer  instruction. 
Comparing  Table  II  with  Table  I,  it  can  be  seen  that  the  ad- 
dress of  the  Low  Byte  register  is  the  same  as  the  Port  4 
address  in  the  I/O  expansion  mode.  Thus  a  TRANSFER 
ACCUMULATOR  TO  PORT  4  instruction  will  in  fact  load 
the  Low  Byte  register  of  the  AD7542.  A  similar  correspon- 
dence exists  between  the  remaining  AD7542  registers 
and  the  MCS-48  expansion  ports.  Only  four  instructions 
are  thus  requiredto  loadthe  AD7542: 

MOVD  P4,A  Load  Low  Byte  register 

MOVD  P5,A  Load  Mid  Byte  register 

MOVD  P6,A  Load  High  Byte  register 

MOVD  P7,A  Load  DAC  register 

The  basic  hookup  is  shown  in  Figure  3. 

The  advantage  of  this  interface  lies  in  its  simplicity.  In 
either  single  or  multi-DAC  applications,  mapping  the 
AD7542's  as  I/O  devices  greatly  simplifies  both  the  soft- 
ware and  the  chip  select  decoding  over  what  would  be  re- 
quired if  the  devices  were  memory  mapped  (in  external 
data  memory). 

Multiple  AD7542s  can  be  connected  to  P20-P23  if  addi- 
tional chip  select  lines  are  supplied  for  the  additional  de- 
vices. For  instance  using  the  top  half  of  Port  2  (P24-P27) 
directly  as  chip  selects  allows  a  maximum  of  four 
AD7542s  on  the  I/O  port;  using  P24-P27  with  a  4-to-l  6  line 
decoder  (such  as  the  8205)  allows  a  maximum  of  sixteen 
AD7542sonthe  port. 


Figure  3.  Basic  AD7542  to  MCS-48  Interface 

PROGRAMMABLE  SINE-WAVE  GENERATOR 

One  method  of  generating  sine  waves  is  to  drive  an  up- 
counter  at  a  given  clock  rate,  the  output  of  the  counter 
being  applied  to  a  look-up  table  containing  phase-angle 
information.  This  data  in  turn  is  fed  to  a  DAC  which  gener- 
ates the  sampled  waveform.  A  low-pass  filter  is  then  used 
to  smooth  the  output  waveform.  The  easiest  way  to 
change  the  output  frequency  is  to  increase  the  rate  at 
which  the  counter  is  driven.  However,  changing  the  fun- 
damental sampling  frequency  has  severe  implications  for 
the  output  filter.  If  the  software  that  loads  the  counter,  in- 
stead of  incrementing  it  by  one  per  loop,  increases  the 
counter  by  two  in  the  same  period  of  time,  the  counter  fills 
and  rolls  over  twice  as  quickly.  Thus,  although  the  rate  of 
counter  loading-the  sampling  frequency-remains  the 
same,  doubling  the  loaded  value-the  frequency  con- 
stant-doubles the  output  frequency.  In  the  same  way, 
each  integer  multiple  of  the  initial  frequency  constant  pro- 
duces a  corresponding  multiplication  of  the  output  fre- 
quency. This  is  the  basis  of  the  technique  used  here  and 
is  described  in  more  detail  in  References  1-3.  The  refer- 
ences also  include  software  examples  for  using  the  circuit 
to  generate  touch-tone  frequencies  for  telecommunica- 
tion applications. 

The  number  of  bits  in  the  accumulator  (or  counter),  m,  is 
determined  by  the  resolution  required  in  output  fre- 
quency variation.  The  number  of  possible  output  signal 
frequencies  is  2m  and  the  spacing  between  them  is  in- 
versely proportional  to  2m.  A  14-bit  accumulator  is  suffi- 
cient for  the  1Hz  spacing  required  here.  The  generated 


outputfrequency  is  given  by 

_  N.fc 

s"  2- 

where:  N  isthe frequency constantwhich 
establishes  the  output  frequency. 

fc  is  the  frequency  of  executing  the 
loop,  i.e.,  the  sampling  frequency. 

m  isthe  number  of  bits  in  the 
accumulator 

Choosing  a  base  frequency  constant  of  1  to  produce  a  1  Hz 
output  signal  ensures  that  all  other  frequency  constants 
N  always  equal  the  output  frequency.  Thus  for  a  14-bit 
counter  to  increment  in  single  steps  and  roll  over  to  zero 
once  per  second,  requires  a  sampling  rate  of  214  samples/ 
sec  (a  sampling  frequency  of  16,384Hz).  Thus  each  timing 
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loop  should  take  61.035m.s  to  execute.  For  the  MCS-48 
family,  the  external  crystal  frequency  is  divided  by  fifteen 
to  provide  the  internal  machine  cycle  time.  A  crystal  of 
4.9155MHz  gives  a  machine  cycle  time  of  3.056(jls  which 
means  20  machine  cycles  per  timing  loop.  Any  branch  in 
the  program  must  be  tailored  so  that  a  complete  loop 
through  the  program  will  always  take  20  machine  cycles. 

THE  SINE  TABLE 

The  MCS-48  architecture  limits  the  external  look-up  table 
to  256  entries.  Thus,  256  bytes  encode  the  sine  functions 
360°  in  1.406°  steps  (360/256).  Placing  the  full  360°  in  the 
look-up  table  simplifies  the  software  at  the  expense  of  in- 
creased distortion  in  the  output.  The  synthesis  program 
of  Reference  2  stores  a  quarter  period  (first  quadrant)  of 
the  output  waveform  in  the  look-up  table  and  gives  the 
software  required  to  generate  the  additional  quadrants. 

The  high  byte  of  the  14-bit  accumulator  is  used  as  a 
pointer  to  reference  the  look-up  table.  The  complete  look- 
up table  is  shown  in  Table  III  along  with  the  BASIC  pro- 
gram used  to  generate  the  table  on  an  AIM-65.  The 
AD7542  in  Figure  5  is  arranged  for  bipolar  operation  with 
offset  binary  coding.  To  ensure  that  the  output  waveform 
is  symmetrical  around  0V,  the  entries  in  the  look-up  table 
are  adjusted  so  that  the  value  FFH  is  assigned  to  the  great- 
est positive  amplitude  equal  to  (VREF  -  1 LSB)  for  90°,  and 
the  value  OIH  to  the  greatest  negative  amplitude  equal  to- 
(VREF  -1LSB)  for  270°.  This  allows  the  output  for  0°  and 
180°  to  fall  exactly  on  80H-equivalent  to  0V  output  for  bi- 
polar operation. 
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L         =  3840 
FORX  =  0  to  255 

LET  A  =  Sin  [(X  *  1 .40625)/57.2958] 

LET  Y  =  INTI128.5  +  127*  A) 

POKE  L,  Y 

LET  L   =  L  +  1 

NEXTX 

END 

Table  Mb.  Basic  Program  for  AIM-65  Used  to  Generate 
Look-Up  Table 

SOFTWARE  AND  HARDWARE 

Figure  4  shows  the  arrangement  of  registers  within  the 
microcomputer.  The  accumulator  is  implemented  with 
two  8-bit  registers,  Reg  0  and  Reg  1 .  Register  0  is  the  least 
significant.  The  frequency  constant  N  is  stored  in  Reg  2 
and  Reg  3.  Register  2  is  the  least  significant.  Both  the  14- 
bit  accumulator  and  the  14-bit  wide  frequency  constant 
occupy  the  most  significant  14-bits  of  their  respective  re- 
gister pairs.  The  high  byte  of  the  14-bit  accumulator  is 
used  as  the  pointer  for  accessing  the  look-up  table. 


mmnjnm 


REG  3 

STEP  SIZE  HIGH 

REG  2 

STEP  SIZE  LOW 

0 

0 

I  I 

REG  1 

ACCM  HIGH 

REG  0 

ACCM  LOW 

9 

0 

Table  Ilia.  Look-Up  Table  for 360°of  Output  Waveform 


Figure  4.  Register  Arrangement  for  Program 

The  sequence  of  actions  for  the  synthesis  of  a  sine-wave 
output  is  shown  in  Table  IV  with  the  actual  program  listing 
in  Table  V.  A  circuit  diagram  of  the  synthesizer  is  shown 
in  Figure  5.  The  2716  EPROM  contains  both  the  program 
and  the  sine  look-up  table  for  the  8035.  Program  memory 
is  all  external  and  starts  at  location  000H,  the  address  to 
which  the  processor  is  vectored  after  a  Reset.  The  look-up 
table  is  treated  as  external  data  memory  and  occupies  the 
highest  page  in  the  2716-starting  at  700H-for  ease  of 
decoding. 

Bit  7  of  Port  2  (P27)  is  used  to  differentiate  between  the 
high  and  low  byte  of  the  right-justified  frequency  constant 
N  being  loaded  in  through  Port  1.  A  low  level  on  P27  indi- 
cates the  low  byte  (8LSB's)  is  present  on  P17-P10,  a  high 
level  on  P27  indicates  the  high  byte  (6LSB's)  is  present  on 
P15-P10.  Forthe  program  to  work  properly,  the  low  byte 
of  the  frequency  constant-with  P27  low-must  be  present 
on  Port  1  before  a  Reset  is  applied.  Almost  immediately 
after  a  Reset,  the  low  byte  is  read  and  the  program  enters 
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a  loop  to  allow  the  high  byte  of  the  frequency  constant  to 
be  presented  at  Port  1 .  The  program  exits  the  loop-when 
P27  goes  high-by  reading  the  high  byte.  The  frequency 
constant  is  next  shifted  left  two  places  to  position  it  prop- 
erly in  Registers  2  and  3  before  the  program  enters  the  fre- 
quency synthesis  loop  properly. 
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Op-Code 

27 
A8 
A9 
3C 

09  IN 


Mnemonic 

CLR  A 

MOV  RO,A 

MOV  R1.A 

MOVD  P4,A 


i 

Table  IV.  Sequence  of  Action  for  Sine-Wave  Generation 
Statement 
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Table  V.  Program  Listing  for  Sine-Wave  Generation 


NOP 
JMP 


LOOP  2 
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Figure  5.  Circuit  Diagram 

EXPERIMENTAL  RESULTS 

The  filter  used  to  smooth  the  output  waveform  from  the 
DAC  is  a  sixth-order  active  RC  low-pass  filter  (Reference 
3)  and  is  shown  in  Figure  6.  The  cut-off  frequency  is  4kHz. 
The  response  is  down  58dB  at  8kHz,  half  the  sampling  fre- 
quency. Experimental  results  are  shown  in  Table  VI. 


ALL  CAPACITORS  2.5%  POLYSTYRENE 
ALL  RESISTORS  1%  METAL  FILM 
A1-A3,  LF356 


Figure  6.  Low-Pass  Output  Filter,  4kHz  Bandwidth 


Frequency  Synthesizer 
Input  Frequency 

Constant  N         Output  Total  Harmonic 

in  Decimal  Frequency  Distortion  (dB ) 


0 

0 

1 

1 

16 

16 

-48 

17 

17 

-48 

32 

32 

-52.6 

33 

33 

-48 

64 

64 

-54.8 

65 

65 

-43 

128 

128.01 

-56.2 

129 

129.01 

-44.7 

256 

256.02 

-54.6 

257 

257.02 

-45.2 

512 

512.05 

-55.4 

513 

513.05 

-44.1 

1024 

1024.1 

-55 

1025 

1025.1 

-45 

2048 

2048.2 

-52.4 

2049 

2049.2 

-44.8 

4096 

4096.4 

-57 

4097 

4097.4 

-47 

Table  VI.  Experimental  Results  from  Frequency 
Synthesizer 
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An  interesting  feature  of  the  results  in  Table  VI  is  the  in- 
creased distortion  of  output  waveforms  whose  frequen- 
cies are  not  integer  power's  of  2.  For  instance  at  f0uT  = 
1024Hz  (210Hz)  total  harmonic  distortion  is  -55dB;  atfouT 
=  1025Hz  the  output  distortion  is  -45dB,  an  increase  of 
10dB.  This  is  due  to  harmonics  being  generated  at  the 
"carry"  frequency,  the  frequency  at  which  the  low  byte  of 
the  14-bit  accumulator  (in  Reg  0)  generates  a  carry  to  the 
high  byte  of  the  accumulator  (in  Reg  1).  When  synthesiz- 
ing an  output  frequency  of  1025Hz  a  carry  between 
Reg  0  and  Reg  1  is  generated  every  64  passes  through  the 
loop.  Since  one  pass  through  the  loop  takes  61  (as  a  series 
of  harmonics  spaced  at  256Hz  intervals  is  added  to  the 
output  spectrum  causing  the  10dB  deterioration  in  total 
harmonic  distortion.  See  Figures  7a  and  7b. 
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CMOS  DACs  and  Op  Amps  Combine  to  Build  Programmable  Gain 

Parti 

by  John  Wynne 


ers 


The  ability  to  software  program  the  gain  of  an  amplifier 
can  be  very  useful  to  designers.  Allied  to  this  ability  is  the 
requirement  for  a  large  number  of  programmable  gain 
levels  and  not  simply  3  or  4  user  selectable  gain  levels. 
CMOS  DACs  are  a  natural  choice  for  control  of  a  PGA  cir- 
cuit- not  only  do  they  satisfy  the  above  two  requirements 
but  they  are  low  cost  and  can  be  highly  accurate.  The  tra- 
ditional way  of  using  CMOS  DACs  to  build  a  PGA  is  to 
place  the  DAC  in  the  feedback  loop  of  a  simple  inverting 
op  amp  configuration.  The  DAC  behaves  as  a  programm- 
able resistance  and  thus  allows  the  circuit  gain  to  be  digi- 
tally controlled.  High  circuit  gains  require  large  values  of 
effective  feedback  resistance.  However,  as  the  effective 
feedback  resistance  increases,  its  precise  value  becomes 
less  and  less  defined.  This  results  in  a  circuit  whose  gain 
accuracy  decreases  with  increasing  gain.  This  application 
note  is  published  in  two  separate  parts.  Part  I  looks  at  the 
PGA  circuits  based  upon  a  single  DAC  and  analyzes  the 
gain  errors  arising  from  such  a  configuration.  It  also  in- 
cludes an  analysis  of  the  dc  error  sources  which  limit  the 
dc  accuracy  of  the  PGA.  Two  recently  released  CMOS 
DACs  from  Analog  Devices,  the  AD7534  and  AD7538, 
combine  a  number  of  features  which  make  them  suitable 
for  use  in  a  PGA  circuit.  The  AD7534  is  in  a  20-pin,  0.3" 
wide  package  and  loads  data  in  an  8  +  6  format.  The 
AD7538  is  in  a  24-pin,  0.3"  wide  package  and  has  a  14-bit 
parallel  loading  format.  Both  have  similar  specifications. 
A  detailed  comparison  is  made  between  the  performance 
of  a  PGA  circuit  based  on  the  14-bit  AD7534  and  one  based 
on  a  12-bit  AD7545.  In  Part  II  of  the  application  note,  PGA 
circuits  built  with  dual  DACs  are  investigated.  These  cir- 
cuits offer  the  advantage  of  greater  accuracy  over  a  wider 
dynamic  range  in  comparison  with  a  single  DAC  solution. 
Monolithic  dual  8-bit  (AD7528)  and  12-bit  (AD7537, 
AD7547  and  AD7549)  DACs  are  now  available  which  make 
this  a  cost  effective  solution. 


THE  BASIC  EQUATIONS 

Turning  a  DAC  into  a  PGA  element  simply  involves  plac- 
ing the  network  in  the  feedback  path  as  opposed  to  the 
input  path  of  an  inverting  op  amp  circuit  configuration. 


Both  configurations  are  shown  in  Figure  1.  The  transfer 
function  of  Figure  1  a  is: 

V|N  REQ 


o  v0 


DIGITAL  INPUT 

^2tE  =  -  2e>  AND  Rf„  =  5s 
V,N  REQ  D 


ON  THE  DICE 


Your 

v,„ 


-  D  WHERE  0  • 


Figure  la.  Standard  DAC  Configuration  to  Provide 
Attenuation 

Req  is  the  equivalent  transfer  impedance  of  the  DAC  from 
the  VREF  pin  to  the  Iqut  pin  and  can  be  expressed  as 


2nRlf 
N 


(2) 


where:  n  isthe  resolution  ofthe  DAC 

N  isthe  DAC  input  code  in  decimal 

Rim  is  the  constant  input  impedance  of  the 
DAC  (R|N  =  RLADforanR-2RDAC) 

Substituting  this  expression  into  Equation  1  and  assum- 
ing zero  gain  error  for  the  DAC  (R|N  =  RFB)  the  transfer 
function  simplifiesto 

vout        N  ,,. 

This  ratio  is  commonly  represented  by  D  and,  as  such,  is 
a  fractional  representation  ofthe  digital  input  word,  i.e. 

Vn„T 


(4) 


DIGITAL-TO-ANALOG  CONVERTERS  8-127 


When  the  DAC  network  and  the  feedback  resistor  RFB  are 
swopped  around  as  in  Figure  1b,  the  ideal  transfer  func- 
tion is  obviously  the  inverse  of  Equation  3  or 


GAIN  IDEAL  = 


•o  vOUT 

•RESISTOR  RFB 

IS  ACTUALLY  INCLUDED  ON  THE  DICE 


Figure  lb.  Transposed  DAC  Configuration  to  Provide 
Gain 

With  an  8-bit  DAC,  Equation  5  indicates  that  the  gain  of  the 
circuit  can  be  varied  from  256  (an  input  code  of  00000001 ) 
down  to  unity  (actually  256/255,  an  input  code  of  all  1s)  in 
255  steps.  The  all  0s  code  is  never  applied.  This  avoids  an 
open-loop  condition  thereby  saturating  the  amplifier. 
With  the  all  zeros  on  (all  bits  off)  code  excluded  there  re- 
mains 2"-1  possible  input  codes  allowing  a  choice  of 
2n- 1  output  levels.  In  dB  terms,  the  dynamic  range  is 

20log10(2n-1)  (6) 

For  an  8-bit  device  the  dynamic  range  is  approximately 
48dB.  Increasing  the  resolution  of  the  converter  by  1  bit 
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increases  the  dynamic  range  by  6dB.  Thus  a  12-bit  device 
will  have  a  maximum  dynamic  range  of  72dB.  Closely  al- 
lied to  the  number  of  programmable  gains  available  is 
their  distribution  over  the  gain  range  from  minimum  gain 
to  maximum  gain.  Figure  2  is  a  graphical  representation 
of  Equation  5  with  the  circuit  gain  plotted  in  dB  for  an  8-bit 
DAC.  The  graph  indicates  that  one  half  (128)  of  the  total 
number  of  steps  or  LSBs  available  cover  the  0  to  +6dB 
range  (gains  from  1  to  2),  one  quarter  (64)  of  the  steps 
cover  the  next  6dB  of  gain  ( +  6  dB  to  + 1 2dB  or  gains  from 
2  to  4),  one  eighth(32)  of  the  steps  cover  the  next  6dB 
(  +  12dB  to  +18dB  or  gains  of  4  to  8),  etc.  Figure  2  illus- 
trates quite  clearly  the  decreasing  number  of  gain  steps 
available  as  the  circuit  gain  increases  in  6dB  bands.  From 
Figure  2  it  can  be  seen  that  the  last  6dB  gain  band  ( +42dB 
to  +48dB  or  gains  of  128  to  256)  is  covered  in  just  one 
step.  This  occurs  when  the  DAC  digital  code  changes  from 
decimal  2  to  decimal  1.  Thus  most  of  the  programmable 
gain  steps  are  concentrated  at  the  lower  end  of  the  gain 
range  offering  tremendous  resolution  between  adjoining 
gain  settings  (less  than  0.05dB).  Figure  2  might  suggest 
that  this  step  "bunching"  is  the  only  drawback  ofthe  PGA 
circuit.  This  is  not  so.  When  the  various  error  sources  are 
taken  into  account,  the  actual  performance  falls  quite 
short  ofthe  ideal. 

DEFINING  THE  ERRORS 

The  main  culprit  in  the  performance  shortfall  is  the  DAC 
Integral  Linearity  which  causes  a  rapid  deterioration  in 
system  accuracy  with  increasing  gain.  The  reason  is  not 
hard  to  see.  For  example,  with  an  8-bit  DAC  and  a  required 
gain  of  16,  the  DAC  input  code  is  decimal  16.  If  the  DAC 
is  8-bit  linear,  i.e.  ±0.2%  F.S.  or  +  1/2LSB,  then  the  effec- 
tive input  code  can  vary  from  1 5.5  up  to  1 6.5.  This  means 
the  system  gain  of  equation  5  can  vary  from  256/15.5  (or 
1 6.51 )  down  to  256/16.5  (or  1 5.51 )  -  an  error  of  ±  3%  even 
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Figure  2.  Step  Distribution  in  dB  vs.  Digital  Code  for  an 
8-Bit  DAC 
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though  the  DAC  itself  has  a  maximum  error  of  ±0.2%. 
Highergains  produce  correspondingly  higher  errors. 

The  transfer  function  of  Equation  2  assumed  that  there 
was  no  gain  error  in  the  DAC.  DAC  gain  error  does  exist, 
however,  and  it  results  in  the  ideal  gain  expression  of 
Equation  5  being  multiplied  by  a  term  close  to  unity.  The 
smaller  the  gain  error  then  the  closer  this  multiplier  term 
is  to  unity.  When  both  linearity  errors  and  gain  errors  are 
included,  the  system  gain  expression  becomes 


GAIN  ACTUAL  = 


(7) 


'OUT  =  2n 

VIN         (N  +  XM1+A) 

Where  X  is  the  linearity  error 
in  LSBs 

and(1+A)  =  5£2 


The  difference  between  the  ideal  gain  and  the  actual  gain 
can  be  expressed  in  percentage  terms  as 

r    a  i     /   x  M 

E(%)=4n^  +  (TT^(N^)]-100%  ,8' 

Since  the  gain  error  of  a  DAC  can  be  trimmed  to  zero 
whereas  nothing  can  be  done  to  reduce  the  integral  non- 
linearity,  it  is  instructive  to  consider  the  percentage  gain 
error  due  to  DAC  nonlinearity  alone  and  then  to  add  the 
DAC  gain  errorterm. 

Quick  Rule-of-Thumb  Helps 

With  zero  DAC  gain  error  equation  8  simplifies  to 

/   y  \ 

E(%)=  ~(nTx)'100%  <9a) 

This  expression  applies  for  all  gain  settings  except  unity 
when  an  additional  errorterm  must  be  added  to  Equation 
9a.  For  any  R-2R  ladder  network  the  maximum  output  cur- 
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±0.01 


±0.001 


rent  (with  all  1s  applied  to  the  DAC)  is  always  1LSB  less 
than  the  input  current.  The  "missing"  LSB  worth  of  cur- 
rent flows  through  the  ladder  termination  resistor  to  sig- 
nal ground.  Therefore,  at  a  gain  setting  of  unity,  a  unique 
error  term  equal  to  1  LSB  in  percent  must  be  added  to  the 
percentage  error  expression  of  Equation  9a. 

By  rearranging  Equation  9a,  the  percentage  gain  errorcan 
be  usefully  expressed  in  terms  of  the  programmed  gain 
and  DAC  linearity  (accuracy)  as 

e<%)HnTx-)(f100%)  (9b» 

or,  in  words,  the  maximum  percentage  gain  error  is  equal 
to  the  required  gain  times  the  DAC  linearity  in  percent. 
This  is  a  quick  rule-of-thumb  for  estimating  output  error 
for  gains  greater  than  unity.  The  solid  line  in  Figure  3  is 
a  graphic  representation  of  Equation  9a  plotted  for  a  12- 
bit  accurate,  12-bit  resolution  DAC  and  shows  the  increas- 
ing gain  error  with  increasing  gain.  For  comparison  pur- 
poses, a  plot  for  a  14-bit  accurate,  14-bit  resolution  DAC 
is  represented  by  the  dotted  line  in  Figure  3.  Because  the 
linearity  error  X  can  be  either  positive  or  negative,  the  ver-  | 
tical  axis  of  Figure  3  is  graduated  in  terms  of  ±E(%).  Fig-  I 
ure  3  is,  however,  an  approximation,  albeit  a  good  one,  of 
Equation  9a.  The  straight  line  representation  of  error  ver- 
sus gain  in  Figure  3  suggests  that  the  maximum  positive 
and  negative  gain  errors  are  symmetrical  over  the  entire 
gain  range.  In  fact  at  very  high  gains  the  maximum  gain 
errors  become  noticeably  asymmetric  and  continue  to  be 
increasingly  asymmetric  with  increasing  gain. 

This  is  due  to  the  ±  X  linearity  term  in  the  denonimator  of 
Equation  9a  having  an  increasing  impact  with  increasing 
gain  (N  reducing).  The  magnitude  of  the  asymmetry  can 
be  seen  from  the  results  in  Table  A1  of  Appendix  1  which 
shows  computed  values  of  Equation  9a  f  or  the  AD7545LN 
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Figure  3.  Comparison  of  Worst  Case  Gain  Errors  Between 
PGA  Systems  Based  on  a  12-Bit  Resolution,  12-Bit  Accurate 
DAC  and  a  14-Bit  Resolution,  14-Bit  Accurate  DAC.  DAC 
Gain  Error  is  Zero  in  Both  Cases. 
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mgiy  small  numDer,  i-or  low  gain  settings,  i-igure  j  is  tnus 
a  good  approximation  of  the  gain  errors  to  be  expected 
from  a  DAC-based  PGA  circuit  with  zero  DAC  gain  error. 
At  the  all  1s  or  unity  gain  setting,  the  effect  of  the  LSB 
worth  of  signal  current  "lost"  in  the  ladder  termination  is 
to  always  increase  the  gain,  albeit  only  slightly,  over 
unity.  Forthe  computed  AD7545LN  values  shown  in  Table 
A1,  the  X1  gain  error  figures  include  the  additional  term 
of  1  LSB  or +0.0244%. 

DAC  Gain  Error  Causes  Skew 

When  a  DAC  with  non-zero  gain  error  is  used,  the  more 

complete  Equation  8  must  now  be  used  to  compute  the 

total  error.  From  inspection  of  Equation  8,  non-zero  DAC 

gain  error  has  two  effects;  the  first  is  to  multiply  the  error 

3A0  no  fylosan  nd-M  .&ie*»  pt  M  •  6  >*m 

results  of  the  previous  analysis  by  a  term  which 

is  close  to  unity.  The  overall  effect  of  this  is  small  and 
serves  only  to  increase  or  reduce  the  gain  asymmetry 
error  at  any  given  gain  setting.  (Positive  DAC  gain  error 
reduces  the  asymmetry.)  The  second  and  major  effect  of 
DAC  gain  error  is  to  add  an  error  term  which  is  indepen- 
dent of  gain  setting.  Since  the  term  is  constant,  it  has  the 
greatest  impact  at  low  gain  settings  and  serves  to  skew 
the  transfer  curve  of  Figure  3  either  in  a  positive  or  nega- 
tive direction.  (Positive  DAC  gain  error  obviously  causes 
a  negative  skew.)  Table  A2  in  Appendix  1  shows  com- 
puted values  of  Equation  8  for  all  combinations  of  DAC 
gain  error  and  linearity  error.  The  unity  gain  figures  in- 
clude an  additional  +0.0244%  error  term  due  to  the  lad- 
der termination.  The  worst  case  values  from  this  table  are 
used  to  plot  Figure  4.  Shown  dotted  in  this  figure  is  the 


the  loop  gain  of  the  system  is  sufficiently  high  so  as  to 
cause  no  appreciable  error.  With  the  AD  OP-07  this  is  a 
valid  assumption  at  dc  and  low  frequencies  if  extreme 
gain  settings  are  avoided.  Exactly  how  the  loop  gain  af- 
fects the  gain  error  can  be  seen  from  the  first  term  in  ex- 
pression A7  of  Appendix  A2.  At  high  signal  frequencies 
and  high  gain  settings  the  finite  loop  gain  can  contribute 
to  the  gain  error  of  the  system.  This  topic  is  dealt  with  in 
greater  detail  in  Part  II  of  this  application  note. 

ADDITIONAL  ERROR  SOURCES  CAUSE  DC  OFFSET 
ERRORS 

Gain  errors  such  as  these  are  not  the  only  errors  which  af- 
fect the  PGA  circuit  of  Figure  1b.  Additional  error  sources 
result  in  a  gain-dependent  dc  offset  voltage  at  the  op  amp 
output.  The  additional  DAC-related  error  sources  are 
code-dependent  output  resistance  and  output  leakage 
current.  Op  amp-related  error  sources  are  input  offset 
voltage,  input  bias  current  and  finite  open  loop  gain.  Ap- 
pendix 2  outlines  the  contribution  of  each  individual  error 
source  to  the  output.  Assume  the  requirement  is  for  a  PGA 
with  gains  from  1  to  64.  Assume  also  that  the  components 
available  are  the  AD7545LN  and  the  AD  OP-07E.  The  rele- 
vant specifications  for  these  components  at  25°C  are 
shown  in  Tables  I  and  II.  When  the  min/max  figures  from 
Tables  I  &  II  are  substituted  into  Equation  A7,  the  worst 
case  output  voltage  (occurring  for  N  =  6410,  i.e.  Gain  of  64) 
is  equal  to 

Vout  =  -  64.58  V|N  ±  29. 1  mV  (10) 

Gain  error  is  approximately  0.9%.  Only  6.5mV  of  the  total 
dc  offset  error  term  of  29.1  mV  is  due  to  the  input  offset 
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Figure  4.  Theoretical  Worst  Case  Gain  Errors  for  AD754S- 
Based  System  with  and  without  DAC  Gain  Error 


8-130    DIGITAL-TO-ANALOG  CONVERTERS 


voltage  Vos;  the  remainder  is  due  to  both  DAC  leakage 
current  ILKg  (the  major  contributor  at  16.1  mV)  and  op  amp 
input  bias  current  lB(  -  )•  For  the  purpose  of  calculating  the 
op  amp  input  offset  voltage  error  term,  a  value  of  R0  =  3 
Rpb  was  used  in  A7.  If  V!N  is  a  dc  signal,  then  the  dc  offset 
error  of  29.1  mV  will  be  indistinguishable  from  the  output 
signal.  Referring  the  dc  offset  error  term  to  the  system 
input  results  in  an  equivalent  input  error  of  29.1/64mV  or 
0.455mV.  The  smallest  input  signal  V,N  for  less  than,  say, 
1%  error  at  the  X64gain  setting  is  thus  45.5mV.  This  error 
is  in  addition  to  the  gain  error  of  0.9%. 

Errors  Increase  with  Temperature 

If  the  PGA  is  expected  to  perform  accurately  over  a  wide 
temperature  range,  the  drift  performance  of  the  error 
sources  with  temperature  will  be  important.  To  a  greater 
or  lesser  extent  all  of  the  terms  in  Equation  A7  are  temper- 
ature sensitive.  A  similar  analysis  of  the  circuit  at,  say, 
70°C  using  the  data  specifications  indicates  that  the  gain 
error  will  remain  essentially  unchanged  but  that  the  dc 
offset  error  can  increase  dramatically.  Over  this  tempera- 
ture range,  the  input  offset  voltage  can  increase  by  nearly 
80%,  the  input  bias  current  by  40%,  but  the  already  domin- 
ant component,  DAC  leakage  current  ILKg.  can  increase  by 
400%.  When  these  worst  case  percentage  increases  are 
translated  into  output  voltages,  the  input  offset  voltage 
term  can  add  5.2m V;  the  input  bias  current  term  can  add 
2.5mV,  but  the  DAC  leakage  current  term  can  add  64mV. 
However,  experience  shows  that  the  DAC  leakage  current 
really  only  begins  to  increase  at  temperatures  greater 
than  85°C.  A  representative  plot  of  DAC  output  leakage 
current  versus  temperature  for  a  CMOS  DAC  is  shown  by 
the  solid  line  in  Figure  6.  If  the  PGA  circuit  must  operate 
over  the  military  temperature  range  of  -55°Cto  +125°C, 
then  AD7545UD  and  AD  OP-07H  grade  devices  must  be 
used  in  place  of  the  previous  commercial  grades.  Tables 
I  and  II  show  the  relevant  specifications  of  these  high- 
temperature  devices.  Using  these  figures  in  Equation  A7 
the  output  voltage  of  the  PGA  at  + 1 25°C  is 

Vqut  =  -  64.59  V,N  ±  349.6mV  (11) 


3OP-07E 


+  25T 


ADOP-07E 

TA=  +70X 


ADOP-07H 

TA=+125°C 


Open  Loop  Gain,  Ac         2.106min        1.8.106min  1.5.10"min 
Input  Bias  Current,  lB(-l     4nAmax        S.6nAmax  6nAmax 
Input  Offset  Voltage,  Vqs   75(i.Vmax       134(iV  200>Vmax 


NOTE:Vdd=  +15V,Vss  = 


-15V 


Table  I.  AD  OP-07  Specifications  at  TA  =  +  25°C, 
+  70°C&  +  125°C 


AD7545LN 

TA  =  +  25X 


AD7545LN 

TA=  +  7CC 


AD7545UD 

TA=+125°C 


Resolution,  n 


12-bits 


12-bits 


Relative  Accuracy,  x     ±1/2LSBmax  ±1/2LSBmax  ±1/2LSBmax 
{Integral  Linearity) 

Gain  Error  ±5LSBsmax  ±6LSBsmax  ±6LSBsmax 

Output  Leakage,  lixo    lOnAmax  50nAmax  200nAmax 

Input  Resistance,  R,N    25knmax  25knmax  25knmax 

NOTE:Voo-+5V 

Tabled.  AD7545  Specifications  at  TA=  +25°C, 
+  70°C&+125°C 


Programmed  gain  of  the  circuit  is  again  64.  The  gain  error 
is  virtually  unchanged  from  its  25°C  value  as  shown  in 
equation  10.  The  dc  offset  errors,  though,  have  increased 
by  an  order  of  magnitude.  Of  the  349.6mV,  the  op  amp 
bias  current  contributes  9.7mV;  the  input  offset  voltage 
contributes  17.4mV,  while  DAC  leakage  current  accounts 
for  the  remaining  322.5m V.  Referring  the  349.6mV  to  the 
system  input  results  in  an  equivalent  input  error,  for  the 
X64  gain  setting  of  349.6/64mV  or  5.5mV.  The  smallest  dc 
input  signal  V|N  for  less  than  1%  error  at  the  X64gain  set- 
ting is  thus  550mV.  This  is  at  +  125°C  and  is  an  order  of 
magnitude  greater  than  the  minimum  input  signal  at 
+  25°C.  Table  IVa  lists  the  gain  and  dc  offset  errors  derived 
from  Equation  A7  at  +25°C,  +70°C  and  +  125°C  when 
using  the  1 2-bit  AD7545. 

REDUCING  THE  ERRORS 
Gain  Errors 

From  the  graphical  representation  in  Figure  4  a  somewhat 
surprising  conclusion  can  be  drawn.  In  precision  applica- 
tions, DAC  gain  error  is  as  significant  a  contributorto  sys- 
tem error  as  is  DAC  integral  linearity.  This  is  because  any 
DAC  gain  error  results  in  a  constant  error  term  having  the 
greatest  impact  on  the  most  accurate  gain  settings.  For 
example,  at  a  gain  setting  of  1,  the  error  from  Figure  4  is 
±0.159%.  This  is  for  a  12-bit  resolution,  12-bit  accurate 
DAC  with  a  DAC  gain  error  of  ±5LSBs.  If  DAC  gain  error 
did  not  exist  -  dotted  line  in  Figure  4-  the  maximum  sys- 
tem error  would  be  ±0.036%,  one  fifth  of  its  previous 
value.  It  is  of  course  possible  to  trim  the  DAC  gain  error 
to  zero  by  means  of  a  potentiometer.  However,  the  tem- 
perature coefficients  of  the  trim  components  will  differ 
from  that  of  the  thin-film  ladder  resistors  of  the  DAC  re- 
sulting in  a  change  in  DAC  gain  error  over  temperature. 
This  topic  of  trimming  CMOS  DACs  for  minimum  drift  is 
dealt  with  extensively  in  Reference  1 . 

As  the  programmable  gain  setting  is  increased  (N  reduc- 
ing), DAC  integral  nonlinearity  becomes  the  dominant 
contributor  to  the  system  gain  error.  For  example,  at  a 
gain  setting  of  64,  the  system  error  from  Figure  4  is  ap- 
proximately ±0.9%,  of  which  ±0.78%  is  due  to  DAC  in- 
tegral nonlinearity.  In  place  of  the  single  gain  stage,  two 
series-connected  gain  stages  can  be  used  to  provide  the 
same  overall  gain.  Since  the  product  of  the  gain  settings 
of  the  individual  stages  is  equal  to  the  overall  gain,  indi- 
vidual stages  can  now  have  much  lower  gain  settings  and 
hence  higher  accuracy.  If  two  stages  are  available,  each 
having  a  similar  performance  to  that  shown  in  Figure  4, 
then  for  the  same  overall  gain  setting  of  64  (individual 
gain  settings  of  8),  the  system  gain  error  is  approximately 
±0.44%.  More  than  half  of  this  error  is  due  to  DAC  gain 
error.  In  orderto  keep  overall  system  cost,  complexity  and 
size  to  a  minimum,  monolithic  dual  8-bit  and  12-bit  DACs 
are  now  available  from  Analog  Devices  which  are  well 
suited  for  this  application.  The  AD7528  is  a  dual  8-bit  DAC 
with  a  parallel  loading  structure.  The  AD7537,  AD7547 
and  AD7549  are  dual  12-bit  DACs  with  8  +  4,  full-parallel 
and  nibble  (4-bits)  loading  structures  respectively.  The 
performance  of  these  circuits  is  investigated  in  Part  II  of 
the  application  note. 
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DC  Offset  Errors 

Depending  on  the  application,  the  dc  offset  errors  may  or 
may  not  be  significant.  The  most  obvious  solution  to  elim- 
inating these  dc  voltages  is  to  ac  couple  the  output  signal. 
However,  this  may  not  always  be  possible  even  in  those 
applications  where  dc  levels  are  unimportant.  If  the  fre- 
quency of  interest  extends  down  to,  say,  a  few  Hertz,  there 
will  be  a  conflict  between  choosing  a  value  (and  hence,  a 
physical  size)  for  the  coupling  capacitor  and  suffering 
an  increase  in  gain  errors  due  to  low  frequency  fall-off. 
Depending  on  the  circuit  performance  required  and  on 
the  specific  application  a  designer  can  identify  the  most 
important  circuit  parameters  and  accordingly  choose 
components  for  the  most  cost-effective  solution. 

DAC  output  leakage  current  is  very  much  the  major 
contributorto  dc  offset  errors-  especially  at  high  temper- 
atures. To  date  CMOS  DACs  with  low  output  leakage  cur- 
rents over  the  military  temperature  range  have  not  been 
available. 

A  SINGLE  DAC  SOLUTION 

Two  recently  introduced  high  resolution  CMOS  DACs 
from  Analog  Devices  boast  specifications  which  are  close 
to  the  ideal  for  a  DAC  operating  in  the  PGA  mode.  The 
AD7534  and  AD7538  are  low-cost  14-bit  resolution  DACs 
with  extremely  tight  DAC  gain  error  specifications, 
±4LSBs  maximum.  Coupled  with  13-bit  accuracy  specifi- 
cations and  a  patented  low-leakage  technique  (US  Pat  No. 
4,590,456)  which  maintains  a  very  low-leakage  current  at 
high  temperatures,  both  gain  and  dc  offset  errors  are 
much  reduced  over  the  previous  case.  Table  III  shows  the 
relevant  specifications  for  the  AD7534KN  at  +25°C.  Fig- 
ure 5  is  a  graphical  representation  of  Equation  8  plotted 
for  the  AD7534KN.  Shown  dotted  in  the  figure  is  the 
graphical  representation  of  Equation  9-  where  DAC  gain 
error  is  assumed  to  be  zero.  These  curves  should  be  com- 
pared with  those  of  Figure  4.  Tables  A3  and  A4  in  Appen- 
dix 1  show  computed  values  of  Equations  9  and  8  respec- 
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tively  for  all  combinations  of  DAC  gain  error  and  linearity 
error. 

A  dedicated  pin  (VSs)  is  available  on  the  AD7534  which 
can  be  tied  either  to  0V  (normal  DAC  output  leakage)  or 
tied  to  -300mV  (reduced  DAC  output  leakage)  to  imple- 
ment the  patented  low-leakage  scheme.  Figure  6  is  a  plot 
of  leakage  current  versus  temperature  for  both  condi- 
tions. It  clearly  shows  the  improvement  gained  by  using 
the  low-leakage  scheme.  If  the  relevant  specifications 
from  Table  III  are  substituted  into  equation  A7  (using  AD 
OP-07E  specifications  from  Table  I),  the  worst  case  output 
voltage  at  a  gain  of  64  (occurring  for  N  =  25610)  is  equal  to 

VOUT=  -64.264  V,N±  11.1  mV  (12) 

Gain  error  is  approximately  0.41%.  This  result  is  for  25°C, 
and  it  should  be  compared  with  the  result  in  Equation  10. 
Both  gain  and  dc  offset  errors  have  been  at  least  halved. 


Parameter 


AD7534KN 

TA=+25°C 


AD7534KN 

T»=  +70°C 


AD7534TD 

TA=  +125°C 


Resolution,  n  14-bits  14-bits  14-bits 

RelativeAccuracy.x  ±1LSBmax  ±1LSBmax  ±1LSBmax 

(Integral  Linearity) 

Gain  Error  ±4LSBsmax  ±4LSBsmax  ±4LSBsmax 

Output  Leakage,  lLKG  ±5nAmax  ±10nAmax  ±20nAmax 

Input  Resistance,  R,N  lOMlmax  10kflmax  lOkftmax 

NOTE:VDO=+15V,VSS=-0.3V 

Table  III.  AD7534  Specifications  at TA=  +25°C, 
+  70t,C&  +  125°C 

For  the  purpose  of  calculating  the  op  amp  input  offset 
voltage  error  term,  a  value  of  R0=  15  RFB  was  used  in  A7. 
Table  IVb  shows  the  individual  components  of  the  dc 
offset  error  term.  The  analysis  is  repeated  at  +70°C  and 
+  125°C,  and  these  results  are  also  included  in  Table  IVb. 
Comparing  the  results  of  Table  IVa  with  Table  IVb  the  ef- 
fectiveness of  the  low  leakage  scheme  on  the  AD7534  is 
immediately  apparent  -  dc  offset  errors  at  +  125°C  are  an 
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Figure  5.  Theoretical  Worst  Case  Gain  Errors  for  AD7534- 
Based  System  with  and  without  DAC  Gain  Error 
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order  of  magnitude  less  with  the  AD7534.  The  effective- 
ness of  the  low-leakage  scheme  is  further  demonstrated 
by  the  fact  that,  for  identical  gain  settings,  the  equivalent 
input  error  voltage  for  the  AD7534  at  +  125°C  is  approxi- 
mately the  same  as  the  equivalent  input  error  voltage  for 
theAD7545at  +25°C. 


?  so- 


ts 20 


vREF=  +10V 


VSS=  -0.3V 


30     40     50     60     70  80 
TEMPERATURE 

Figure  6.  Graph  of  Typical  Leakage  Current  vs. 
Temperature 

NOISE  GAIN 

A  fundamental  requirement  of  any  PGA  circuit  is  that  it  be 
monotonic,  i.e.  if  the  DAC  digital  code  is  changed  to  in- 
crease the  gain,  then  the  circuit  gain  does  in  fact  increase 
or,  at  the  very  least,  the  circuit  gain  does  not  decrease.  If 
the  linearity  of  the  DAC  is  concomitant  with  the  resolu- 
tion, i.e.  12-bit  resolution  DAC  with  12-bit  accuracy,  then 
the  DAC  is  inherently  monotonic,  and  ideally  all  possible 
input  codes  are  usable  for  gain  setting.  However,  if  the 
linearity  is  less  than  the  resolution,  so  to  speak,  i.e.  11-bit 
accurate  but  12-bit  resolution  DAC,  then  adjoining  codes 
may  overlap  causing  nonmonotonic  operation.  In  the 
case  of  the  11-bit  accurate,  12-bit  resolution  DAC  every 
second  code  should  be  avoided,  i.e.  adjacent  codes 
should  not  be  used.  If  the  DAC  specification  is  more  ex- 
treme, i.e.  10-bit  accurate  but  still  12-bit  resolution,  only 
every  fourth  code  should  be  used.  Thus  the  number  of 
programmable  (and  guaranteed  monotonic)  gain  settings 
is  now  one  quarter  of  the  total  number  of  steps. 

The  AD7534KN  is  a  14-bit  resolution  DAC  with  13-bit  rela- 
tive accuracy.  Additionally,  it  is  guaranteed  monotonic  to 
14-bits  over  temperature.  This  means  that  ideally  all  16, 

TEMPERATURE    GAIN  ERROR 
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384  codes  are  usable  for  gain  setting.  However,  there  is 
another  error  source  which  must  be  taken  into  account. 
The  contribution  of  the  input  offset  voltage,  V0s.  to  the  dc 
offset  errors  (via  the  circuits  noise  gain)  has  already  been 
mentioned.  This  noise  gain  results  in  a  dc  term  being 
added  to  or  subtracted  from  the  op  amp  output.  The  great- 
est likelihood  of  the  system  becoming  nonmonotonic  oc- 
curs when  the  DAC  input  code  changes  from  one  code  set- 
ting to  the  next  adjacent  code  setting.  Adjacent  code 
transitions  which  are  the  most  critical  are  those  which 
change  the  DAC  output  impedance,  R0,  from  a  low  value 
to  a  higher  value.  However,  even  at  the  most  critical  code 
transition,  a  nonmonotonic  step  can  still  be  avoided  if  the 
analog  input  signal  voltage,  V|N,  is  sufficiently  large  with 
respect  to  the  op  amp  input  offset  voltage,  V0s-  Analysis 
of  the  AD7534  over  the  X1  -  X64  gain  range  in  integer 
steps  shows  that  the  worst  case  code  transition  is  the  last 
code  transition.  The  output  impedance  R0  changes  from 
R0  =  6.7  RFB  at  X63  gain  setting  (N  =  26010)  to  R0=  15  RFB at 
X64  gain  setting  (N  =  25610).  Simultaneously  solving  ex- 
pression A7  at  this  worst  case  code  transition  yields  a 
minimum  value  for  V|N  which  is  the  threshold  value  for 
possible  nonmonotonic  operation.  This  value  is  6  V0s- 
Input  signal  levels  greater  than  this  value  will  avoid  any 
nonmonotonic  transitions  occurring.  For  integer  gains 
which  are  not  integer  powers  of  2  e.g.  X3,  X5,  X6  etc.,  the 
nearest  14-bit  code  was  chosen  in  each  case.  Table  A5  in 
Appendix  3  lists  both  the  digital  input  code  used  and  the 

,  R    ,  IftDTfOIO'-T 

resulting  M  +         ratio  for  each  integer  gain  setting 

C|fi8  go  lb  lOHBTi.Bu  3AQ  i3ritie  ol  ebcm  eiow  ainam 
in  the  X1  -  X64  gain  range. 

In  some  applications,  such  as  closed-loop  servo  systems, 
the  requirement  is  for  very  fine  gain  adjustment  rather 
than  integer  gain  increments.  As  Figure  2  suggests,  half 
of  the  total  number  of  codes,  or  2r>_1,  coverthe  gain  range 
from  X1  to  X2.  For  the  AD7534  this  means  that  81 92  codes 
are  available  for  gain  setting  between  X1  and  X2,  allowing 
extremely  fine  gain  adjustment.  Between  the  X1  and  X64 
gain  settings  there  are  just  over  16,000  possible  gain  set- 
tings. However,  in  return  for  having  so  many  gain  settings 
available,  there  is  a  price  to  be  paid  in  terms  of  the  mini- 
mum V|N/V0s  ratio  required  for  monotonicity.  Computer 
analysis  shows  that  in  order  to  avoid  a  nonmonotonic 
transition  between  any  adjacent  code  pair  over  the  full  XI 

DC ERRORS 
W-)         Vos  TOTAL 


TA=  +25°C  0.91%         16.1mV      6.5mV     6.5mV  29.1mV 

TA=  +70X  0.91%        80.1mV     9mV        11.7mV  100.8mV 

TA=  +125°C  0.92%        322.5mV    9.7mV     17.4mV  349.6mV 

Table  IVa.  Error  Analysis  Over  Temperature  with  AD7545,  Gain  =  64 
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DC ERRORS 

b<-)  Vos 


TOTAL 


TA=  +  25°C 
TA=  +70X 
TA=  +125°C 


0.41%  3.2m  V  2.6m  V  5.3mV  ll.lmV 
0.41%  6.4mV  3.6mV  9.5mV  19.5mV 
0.41%         12.8mV      3.8m  V      14.1  mV  30.7mV 


Table  IVb.  Error  Analysis  Over  Temperature  with  AD7534,  Gain  =  64 
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point.  This  is  especially  true  at  the  lower  gain  settings. 
However,  the  percentage  change  in  noise  gain  for  the 
same  code  transition  can  be  orders  of  magnitude  greater. 
For  instance,  for  the  code  transition  16,379loto  16,37810, 
the  signal  gain  increases  by  0.006%  whereas  the  noise 
gain  changes  by  0.775%.  The  ratio  of  V,N  to  V0s  required 
to  ensure  monotonicity  at  this  code  transition  is  400. 

Noise  gain  is  usually  assumed  to  contribute  a  dc  error 
term  only;  acting  only  on  the  op  amps  input  offset 
voltage,  V0s-  However,  expression  A1  in  Appendix  2 
shows  that  the  noise  gain  also  contributes  to  the  gain 
error  of  the  system.  The  very  high  open-loop  gain  of  the 
AD  OP-07,  however,  ensures  that  any  contribution  is  at  a 
negligible  level. 

TEST RESULTS 

DC  measurements  were  taken  on  a  number  of  AD7534KN/ 
AD  OP-07E  combinations  at  +25°C  and  a  representative 
result  is  indicated  in  Figure  7.  The  "starred"  points  indi- 
cate the  measured  errors  at  the  selected  gain  settings  be- 
tween X1  and  X256.  At  each  gain  setting  the  dc  input  sig- 
nal level  was  adjusted  to  provide  a  5V  output  signal  level. 
As  a  comparison,  the  theoretical  worst-case  error  curves 
from  Figure  5  are  reproduced  again  in  Figure  7.  No  adjust- 
ments were  made  to  either  DAC  gain  error  or  op  amp 
input  offset  voltage.  Since  the  measurements  taken  were 
dc,  the  representative  error  curve  in  Figure  7  includes  the 
offset  errors  at  +  25°C.  However,  these  were  measured  at 
approximately  40(jlV  and  were  considered  negligible  in 
comparison  to  the  input  test  signal  level. 

With  a  gain  of  64  the  3dB  bandwidth  of  the  system  is  typi- 
cally 7kHz.  In  order  to  avoid  gain  errors  due  to  op  amp  roll- 
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amps  than  the  AD  OP-07  can  be  used  in  order  to  increase 
the  signal  bandwidth  but  possibly  at  the  expense  of  in- 
creasing one  or  more  of  the  error  sources.  At  a  gain  of  X1 

the  3dB  bandwidth  is  approximately  500kHz. 

• 

The  output  voltage  settling  time  will  be  limited  by  the  slew 
rate  of  the  AD  OP-07.  Output  voltage  settling  time  was 
measured  for  a  step  input  change  at  two  fixed  gain  set- 
tings (XI,  X64).  The  output  response  is  shown  in  the  oscil- 
loscope photographs  of  Figure  8a  and  8b. 

For  Figure  8a  (X1  Gain)  the  input  step  size  is  ±200mV,  and 
for  Figure  8b  (X64  Gain)  it  is  ±154mV.  The  input  signal 
rise  time  in  either  case  from  the  10%  to  90%  points  was 
1  p.s.  Settling  time  to  within  ±  0.01%  for  the  X1  case  is  less 
than  30m-s,  whereas  settling  time  for  the  X64  case  is  less 
than  300fj.s.  Output  voltage  settling  time  was  also  meas- 
ured for  a  change  in  gain  settings  (i.e.  DAC  code)  with  a 
steady  input  signal.  The  oscilloscope  photograph  of  Fig- 
ure 8c  shows  the  output  response  when  changing  from  a 
XI  setting  to  a  X64  setting.  The  input  signal  level  was  a 
constant  -154mV.  The  output  voltage  settling  time  to 
within  ±0.01%  is  approximately  300(jls  going  from  X1  to 
X64,  while  going  from  X64to  XI  it  is  approximately  60ji.s. 
The  dynamic  response  of  the  AD7545LN  &  AD  OP-07  PGA 
combination  was  similarly  measured  and  found  to  be  in- 
distinguishable from  the  above. 

When  ac  signals  are  to  be  amplified  the  nonlinearity  or 
distortion  of  the  system  becomes  important.  CMOS  DACs 
are  manufactured  with  high  quality,  thin-film  resistors 
having  very  low  noise  and  very  small  voltage  coefficient. 
In  addition,  very  little  of  the  input  signal  voltage  is  de- 
veloped across  the  signal-steering  switches  of  the  ladder 
network;  hence  most  of  the  distortion  in  the  output  signal 
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Figure  7.  Measured  vs.  Theoretical  Worst  Case  Gain  Errors 
for  AD7S34-Based  System 
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is  due  to  the  op  amp.  Table  V  compares  the  performance 
of  the  1 2-bit  AD7545LN  with  the  1 4-bit  AD7534KN  in  terms 
of  harmonic  distortion.  In  both  cases,  at  any  particular 
gain  setting,  the  input  signal  level  was  adjusted  to  provide 
a  6V  rms  output  signal  level.  The  test  frequency  was 
200Hz,  and  distortion  levels  were  measured  using  a  Hew- 
lett Packard  HP339A  Distortion  Measurement  Set  with  it's 
3rd  order,  30kHz  low  pass  filter  function  switched  into  the 


signal  path.  Results  for  the  two  PGA  systems  are  very 
similar.  Table  VI  compares  the  two  systems  in  terms  of 
voltage  noise  performance  over  a  bandwidth  from  22Hz 
to  22kHz.  To  help  the  comparison,  the  same  low  noise  AD 
OP-27  op  amp  was  used  in  both  circuits.  The  superior  per- 
formance of  the  AD7534-based  system  is  due  to  the  lower 
value  of  DAC  ladder  resistance  compared  with  the 
AD7545. 


Figure  8a.  Gain  of  1.  Output  Response  to 
Input  AD7534  System 


HOR:  50(is/DIV. 
VERT:  200mV/DIV. 

r 200m  V  Step 


s 
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HOR:  200|xs/DIV. 
VERT:  5V/DIV. 


Figure  8b.  Gain  of  64.  Output  Response  to  ±  154mV  Step 
Input,  AD7534  System 


HOR:  200|*S/DIV. 
VERT:  2V/DIV. 


Figure  8c.  Output  Response  when  Gain  Switching  between 
x  1  and  x64.  Constant  Input  Signal  of  -  1S4mV.  AD7534 
System 


GAIN 


AD7545LN 
&  AD  OP-27 


AD7534KN 
&  AD  OP-27 


1 

2 

4 

8 

16 

32 

64 


5.5(xV 

9(xV 

18M-V 

35^V 

72nV 

145M-V 

285M-V 


4.5|xV 

7tJ.V 

12p.V 

23«V 

45nV 

89(jlV 

175fji.V 


Table  VI.  Output  Voltage  Noise  vs.  Gain  Settings.  Readings 
are  rms,  22Hz  to  22kHz. 


AD7545LN 

AD7534KN 

GAIN 

&ADOP-07 

&ADOP-07 

X  1 

<-90dB 

<-90dB 

X  2 

<-90dB 

<-90dB 

X  4 

<-90dB 

<-90dB 

X  8 

-89dB 

-88dB 

X  16 

-86dB 

-86dB 

X  32 

-82dB 

-83dB 

X  64 

-76dB 

-79dB 

Table  V.  Total  Harmonic  Distortion  Levels  vs.  Gain 
Settings  for  a  Constant  6V  rms  Output  Signal 
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APPENDIX  1 


SYSTEM  GAIN  ERROR 


RELATIVE 

RELATIVE 

CODE 

ACCURACY 

ACCURACY 

GAIN 

N 

X=  +0.5 

X=  -0.5 

1 

4095 

+  0.0122% 

+  0.0366% 

2 

2048 

-0.0244% 

+  0.0244% 

4 

1024 

-0.0488% 

+  0.0489% 

8 

512 

-0.0976% 

+  0.0978% 

16 

256 

-0.195  % 

+  0.1957% 

32 

128 

-0.389  % 

+  0.3922% 

64 

64 

-0.775  % 

+  0.7874% 

128 

32 

-1.539  % 

+  1.587  % 

256 

16 

-3.03  % 

+  3.226  % 

512 

8 

-5.88  % 

+  6.666  % 

Error  (%)  =  -  (^^j  •  1 00%  (9a) 


SYSTEM  GAIN  ERROR 


RELATIVE 

RELATIVE 

CODE 

ACCURACY 

ACCURACY 

GAIN 

N 

X=  +1 

X=  -1 

1 

16383 

0% 

+  0.0122% 

2 

8192 

-0.0122% 

+  0.0122% 

4 

4096 

-0.0244% 

+  0.0244% 

8 

2048 

-0.0488% 

+  0.0488% 

16 

1024 

-0.0976% 

+  0.0978% 

32 

512 

-0.195  % 

+  0.1957% 

64 

256 

-0.389  % 

+  0.3922% 

128 

128 

-0.775  % 

+  0.7874% 

256 

64 

-1.539  % 

+  1.587  % 

512 

32 

-3.03  % 

+  3.226  % 

Error(o/„)=-(K[X^).100%  (9a) 


Table  A1.  Computed  Values  for  Equation  9a  for  12-Bit 
Resolution  (n  =  12),  12-Bit  Accurate  (X  =  ±0.5LSBs)  DAC 
with  Zero  DAC  Gain  Error.  The  Unity  Gain  Values  Include 
an  Additional  +  0.0244%  Error  Term  as  Discussed  in  the 
Text. 


Table  A3.  Computed  Values  for  Equation  9a  for  14-Bit 
Resolution  (n  =  14),  13-Bit  Accurate  (X  =  ±1LSBs)  DAC 
with  Zero  DAC  Gain  Error.  The  Unity  Gain  Values  Include 
an  Additional  +0.0061%  Error  Term  as  Discussed  in  the 
Text. 


SYSTEM  GAIN  ERRORS 
DAC  GAIN  ERROR.  A  =  +0.0012  DAC  GAIN  ERROR.  A  =  -0.0012 


GAIN 

CODE 
N 

REL.  ACCURACY 
X=  +0.5 

REL.  ACCURACY 
X=  -0.5 

REL  ACCURACY 
X=  +0.5 

REL.  ACCURACY 
X=  -0.5 

1 

4095 

-0.109% 

-  0.085% 

+  0.134% 

+  0.159% 

2 

2048 

-0.146% 

-0.098% 

+  0.096% 

+  0.145% 

4 

1024 

-0.171% 

-0.073% 

+  0.071% 

+  0.169% 

8 

512 

-0.219% 

-0.024% 

+  0.022% 

+  0.218% 

16 

256 

-0.317% 

+  0.074% 

-  0.075% 

+  0.318% 

32 

128 

-0.511% 

+  0.270% 

-0.270% 

+  0.513% 

64 

64 

-0.896% 

+  0.665% 

-  0.656% 

+  0.908% 

128 

32 

-1.658% 

+  1.464% 

-1.420% 

+  1.709% 

256 

16 

-3.148% 

+  3.1  % 

-2.914% 

+  3.349% 

512 

8 

-5.977% 

+  6.537% 

-  5.769% 

+  6.795% 

Error«o/^-[(T^)  +  (T^)(j^)],00%  «8> 

Table  A2.  Computed  Values  for  Equation  8  for  12-Bit 
Resolution  (n  =  12),  12-Bit  Accurate  (X=  ±0.5LSBs)DAC 
with  DAC  Gain  Error  of  ±5LSBs  (A=  ±5/4096).  The  Unity 
Gain  Values  Include  an  Additional  +0.0244%  Error  Term 
as  Discussed  in  the  Text. 
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SYSTEM  GAIN  ERRORS 

DAC  GAIN  ERROR,  A 

=  +0.000244 

DAC  GAIN  ERROR,  A 

=  -0.000244 

CODE 

REL.  ACCURACY     REL.  ACCURACY     REL.  ACCURACY     REL.  ACCURACY 

GAIN 

N 

X=  +1.0 

X=  -1.0 

X=  +  1.0 

X=  -1.0 

1 

16383 

—  \J.  /O 

—  U.U^t  /O 

T  U.UO  /  /O 

2 

8192 

u.uo/  /o 

—  0.012% 

+n  ni9% 

1   U.VJ  /  /o 

4 

4096 

U.U*K7  /o 

U  /o 

U  /o 

T  U.U*K7  /O 

8 

2048 

-0.073% 

-0.024% 

-0.024% 

+  0.073% 

16 

1024 

-0.122% 

+  0.073% 

-  0.073% 

+  0.122% 

32 

512 

-0.219% 

+  0.171% 

-0.171% 

+  0.22  % 

64 

256 

-0.413% 

+  0.368% 

-  0.365% 

+  0.417% 

128 

12f 

-0.799% 

+  0.763% 

-0.751% 

+  0.812% 

256 

64 

-1.562% 

+  1.563% 

-1.514% 

+  1.612% 

512 

32 

-3.054% 

+  3.2  % 

-  3.007% 

+  3.251% 

Error«%,=  -[(T^)  +  (^)(^)j,00%  (8) 


Table  A4.  Computed  Values  for  Equation  8  for  14-Bit 
Resolution  (n=  14),  13-Bit  Accurate  (X=  ±1LSBs)  DAC 
with  Gain  Error  of  ±4LSBs  (A  =  ±4/16,384).  The  Unity 
Gain  Values  Include  an  Additional  +0.0061%  Error  Term 
as  Discussed  in  the  Text. 

APPENDIX  2 


The  DAC-related  error  sources,  in  addition  to  linearity 
error,  are  code-dependent  output  resistance,  leakage  cur- 
rent and  gain  error.  Op  amp-related  error  sources  are 
input  offset  voltage,  input  bias  current  and  finite  open 
loop  gain.  Putting  all  the  error  sources  together  results  in 
a  complete  but  somewhat  unwieldly  expression  for  the 
output  voltage.  For  a  more  complete  treatment  of  the 
error  sources  the  reader  is  referred  to  References  2,  3.  If 
the  op  amp  of  Figure  1b  has  an  open  loop  gain  of  A0l.  then 
the  output  voltage  of  the  circuit  is 


The  output  voltage  due  to  E0s  is  thus 

±Vos-  Gn±Ilkg-Req±IbH  F 

or 

±V0s-GN+(lLKG  +  lB(-))-REQ 


(A4) 


1 


RF 


1 


1  + 


(i) 


1  + 


R0 


(A1) 


RF 


—  )  term  in  this  expression  is  called 
of  the  circuit. 


The   1  + 

\        (Rfb  II  Ro 
the  noise  gain  GN  or  closed  loop  gain  - 

Ro  is  the  code-dependent  output  resistance  of  the  DAC 
which  appears  between  the  op  amp  summing  junction 
andAGND. 

The  output  voltage  due  to  the  DAC  leakage  current  lLKG, 
op  amp  input  offset  voltage  V0s  and  input  bias  current 
lB(  - )  is  conveniently  found  by  combining  these  separate 
error  sources  into  a  single  input  offset  error  source  E0s- 
The  output  voltage  due  to  this  error  sou  rce  is  thus 

Where  Eos  =  ±  Vos  ±  lLKG  •  R  ±  lB<-)  •  R  (A2) 

R  is  the  effective  source  impedance  seen  by  the  inverting 
input  to  AGND,  i.e., 

R  =  Rfb  II  Roll  Req 
°r  R 

R  =  *f  (A3) 


The  noise  gain  GN  (or  closed  loop  gain  „)  is  a  function  of 
the  DAC  output  rsistance.  This  resistance  is  quite  a  com- 
plex function  of  the  digital  input  code,  roughly  increasing 
from  a  minimum  value  to  a  maximum  value  as  the  DAC 
code  changes  from  all  ones  to  all  zeros  respectively. 
[Reference  4]. 

The  DAC  output  resistance  is  also  influenced  by  the  type 
of  ladder  network  used  in  the  DAC  design.  The  two  DACs 
in  comparison  here  use  two  different  networks;  the 
AD7545  is  a  straight  R-2R  ladder  design  while  the  AD7534 
uses  a  segmented  design.  This  means  that  the  noise  gain 
term  will  be  different  for  both  DACs. 

When  all  of  these  components  are  summed  together  the 
output  voltage  expression  becomes 

I     W)\         RFb-Ro     J  J 


t(luG  +  lBH)-REQ 

tVos-fl  |  Reo(Rfb  +  Ro) 
V  Rfb  *  Rq 


(A5) 


When  REQ  is  replaced  by  and  the  DAC  gain  error 

N  +  x 

is  taken  into  account  by  letting 
Rr 

a* 

RFB  _  R|N 


■  (1  +  A) 


where  A  ■■ 


(A6) 
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the  output  expression  becomes 
2n 


"OUT 


=  -v, 


-        £  (N  +  x)(1+A) 
N  +  x 


1  +(aol){1  +((N  +  x)(1+A))( 


1  +- 


:(Iucg  +  IbH)- 


+  VoJ1  +  f  *!  \{^—\\  (A7) 

Expression  A7  can  be  simplified  since  the  effect  of  DAC 
linearity  and  DAC  gain  error  on  the  error  sources  is  almost 
negligible.  Similarly,  for  the  system  gains  under  consider- 
ation, the  gain  error  factor  in  expression  A1  can  reasona- 
bly be  assumed  to  be  unity,  i.e., 

— 7T~\ — "1  <A8> 

When  these  assumptions  are  made,  expression  A7 
simplifies  to 


2" 


(N  +  X)(1  +  A) 
:  {|LKG  +  IB(-)}  •  Rin  •  (SYSTEM  GAIN) 


±Vos|l  + 


1  +  (SYSTEM  GAIN)  ^1  +  ^ 


(A9) 


As  the  system  gain  is  increased,  so  too  are  the  dc  offset 
errors  due  to  leakage  currents  and  input  offset  voltage. 

APPENDIX  3 


SYSTEM 
GAIN 

CODE10 

(1+FWRo) 

SYSTEM 
GAIN 

CODE10 

(1+RFB/Ro) 

SYSTEM 
GAIN 

CODE,0 

(1+Rfb/Ro) 

1 

16383 

1.08 

24 

683 

1.31 

47 

349 

1.27 

2 

8192 

1.00 

25 

655 

1.25 

48 

341 

1.30 

3 

5461 

1.31 

26 

630 

1.25 

49 

334 

1.25 

4 

4096 

1.00 

27 

607 

1.24 

50 

328 

1.20 

5 

3277 

1.28 

28 

585 

1.27 

51 

321 

1.21 

6 

2731 

1.31 

29 

565 

1.28 

52 

315 

1.26 

7 

2341 

1.21 

30 

546 

1.21 

53 

309 

1.28 

8 

2048 

1.00 

31 

529 

1.14 

54 

303 

1.25 

9 

1820 

1.20 

32 

512 

1.06 

55 

298 

1.26 

10 

1638 

1.25 

33 

496 

1.13 

56 

293 

1.27 

11 

1489 

1.25 

34 

482 

1.20 

57 

287 

1.22 

12 

1365 

1.31 

35 

468 

1.22 

58 

282 

1.24 

13 

1260 

1.22 

36 

455 

1.25 

59 

278 

1.24 

14 

1170 

1.24 

37 

443 

1.26 

60 

273 

1.22 

15 

1092 

1.18 

38 

431 

1.26 

61 

269 

1.24 

16 

1024 

1.03 

39 

420 

1.22 

62 

264 

1.15 

17 

964 

1.18 

40 

410 

1.25 

63 

260 

1.15 

18 

910 

1.23 

41 

400 

1.17 

64 

256 

1.07 

19 

862 

1.23 

42 

390 

1.22 

20 

819 

1.28 

43 

381 

1.23 

21 

780 

1.20 

44 

372 

1.22 

22 

745 

1.27 

45 

364 

1.23 

23 

712 

1.21 

46 

356 

1.22 

Table  A5.  Digital  Input  Codes  and  Resulting  (1  +  RFB/Ro)  Ratio  vs.  System  Gain  for  the  AD7534 
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ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


CMOS  DACs  and  Op  Amps  Combine  to  Build  Programmable  Gain  Amplifiers 

Part  II 

by  John  Wynne 


This  Application  Note  investigates  the  performance  of 
dual  CMOS  DACs  as  gain  determining  elements  in  a  PGA 
system.  It  details  how  greater  accuracy  over  a  wider  dy- 
namic range  can  be  achieved  with  a  dual  DAC  circuit  as 
opposed  to  a  single  DAC  solution.  A  dual  DAC  approach 
spreads  the  required  system  gain  over  two  stages.  This 
results  in  an  overall  system  gain  which  is  the  product  of 
the  individual  gain  stages,  but  the  overall  gain  error  is  es- 
sentially only  the  sum  of  the  individual  gain  error  terms. 

Part  I  of  this  Application  Note1  looked  at  the  error  sources 
which  exist  when  a  CMOS  DAC  is  used  as  a  programma- 
ble resistance  in  the  feedback  loop  of  an  op  amp.  A 
detailed  comparison  was  also  made  between  the  per- 
formance of  a  PGA  circuit  based  on  a  14-bit  DAC,  the 
AD7534,  ( AD7538)  and  a  1 2-bit  DAC,  the  AD7545. 


DUAL  DAC  SOLUTION 

With  two  DACs  available  in  a  single  package  -  and,  of 
course,  two  op  amps  also  available  in  a  single  package  - 
it  becomes  possible  to  use  two  simple  PGA  circuits  in 
series  without  taking  up  too  much  extra  printed  circuit 
board  area  over  that  required  by  a  single  PGA  stage.  Fig- 
ure 1  shows  such  a  circuit.  Each  section  contributes  its 
own  gain  errors  and  offset  errors  to  the  overall  error.  Gain 
errors  are  due  to  DAC  integral  nonlinearity  and  to  DAC 
gain  error.  Offset  errors  are  due  to  DAC  leakage  currents 
and  op  amp  input  bias  currents  and  input  offset  voltages. 


DIGITAL  INPUT 


OUTA  VpepA 
AGND 


DIGITAL  INPUT 


OUTB  V„ 
AGND 


V„UT 


I—  *S 

Figure  1.  Dual  DAC  PGA  Circuit 


The  dual  DAC  circuit  does  however  exaggerate  the  dc 
offset  error  terms.  The  offset  errors  of  the  first  stage  are 
multiplied  by  the  gain  setting  of  the  second  stage.  This 
can  lead  to  quite  large  dc  offset  voltages  for  large  gain  set-  , 
tings,  one  third  of  a  volt  or  more,  at  the  output  of  the  sec- 
ond stage.  For  this  reason,  dual  DAC  PGA  systems  are 
only  considered  suitable  for  ac  signals,  and  the  analysis 
presented  here  emphasizes  this. 

Since  DAC  gain  error  can  be  trimmed  to  zero  (whereas 
nothing  can  be  done  to  reduce  the  integral  nonlinearity) 
it  is  instructive  to  first  consider  both  the  system  gain  and 
the  percentage  gain  error  due  to  DAC  nonlinearity  alone 
and  then  to  add  the  DAC  gain  error  terms.  Following  this, 
comparisons  are  made  between  the  dual  DAC  perform- 
ance and  the  performance  of  both  the  single  12-bit  and 
14-bit  DAC  systems  which  were  the  subject  of  Part  I  of 
this  Application  Note. 

THE  BASIC  EQUATIONS  FOR  A  DUAL  DAC  PGA 

When  only  linearity  errors  are  considered,  the  gain  of  a 
single  stage  is: 

Vqut=  2" 


(1) 


(N  +  x) 

Where  n  is  the  resolution  of  the  DAC 

x  is  the  DAC  linearity  error  in  LSBs 
and     Nisthe  DAC  code  in  decimal. 

With  two  similar  stages  in  series  the  system  gain  is 
obviously: 

V,N    \na  +  xJ   Inb  +  xJ 

Where  A  and  B  suffixes  refer  to  DAC  A  (1st  stage) 
and  DAC  B  (2nd  stage)  respectively. 

The  percentage  gain  error  of  a  single  stage,  again  assum- 
ing zero  DAC  gain  error,  can  be  expressed  as: 


E(%)  = 


(n  +  x) 


100% 


(3) 
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With  two  stages  in  series  the  overall  gain  error  can  gener- 
ally be  taken  as  the  sum  of  both  stages.  If  the  first  stage 
has  a  percentage  gain  error  of  EA%  and  the  second  stage 
has  EB%,  then  the  total  system  gain  error  can  be  ex- 
pressed as: 

Error(%)  =  (Efl,EB  +  ^)% 


(4) 


For  precision  PGA  systems  these  individual  gain  error 
terms,  Ea  and  EB,  will  normally  be  held  to  1%  or  less. 
Under  these  conditions  Equation  4  simplifies  to: 


Error  (%)  =  (EA  +  EB)% 
or  using  Equation  3: 

Err°r(%)H^+^)-100% 


(5) 
(6) 


For  an  individual  stage  the  percentage  gain  error  is: 

Error<%)  =  -(n^  +  nT^fe)}-100%  ,9) 

Using  similar  reasoning  to  that  used  before  in  conjunction 
with  Equations  4  and  5,  the  overall  percentage  gain  error 
is  again  the  sum  of  the  individual  errorterms  or: 


1(1 +AB)    (i+abAnb  +  xJJJ 


Equation  2  shows  the  overall  system  gain  is  the  product 
of  the  individual  gain  stages,  while  Equation  6  shows  the 
overall  percentage  gain  error  is  effectively  the  sum  of  the 
individual  gain  error  terms.  Hence,  greater  accuracy  over 
a  wider  dynamic  range  is  possible  with  a  dual  DAC  PGA 
system  over  any  single  DAC  solution.  Also  from  Equation 
2  the  only  constraint  on  the  codes  to  both  DACs,  NA  and 
NB,  is  that  the  overall  system  gain  is  achieved.  Equation 
6,  however,  indicates  that  in  order  to  keep  the  gain  error 
as  small  as  possible,  the  codes  to  both  DACs  must  be  cho- 
sen to  be  as  equal  to  each  other  as  possible.  Simultane- 
ously meeting  both  these  requirements  results  in  the 
optimum  system. 

Equation  3,  which  gives  the  percentage  gain  error  of  a 
single  stage,  is  correct  for  all  gain  settings  except  unity 
when  an  additional  term  must  be  added  to  the  simple 
equation.  This  additional  error  term  is  due  to  an  LSB 
worth  of  signal  current  being  "lost"  in  the  R-2R  ladder 
termination  resistor  thereby  making  an  ideal  X1  gain 
impossible. 

Therefore,  for  each  DAC  with  a  gain  setting  of  unity  (all  1s 
setting)  an  error  term  equal  to  1LSB  (expressed  as  a  per- 
centage) must  be  added  to  the  total  errorterm.  For  a  dual- 
DAC  system  Equation  (6)  applies  for  all  combinations  of 
gain  settings  except  those  cases  where  an  individual  gain 
stage  is  set  to  unity  gain.  An  extra  error  term  must  be 
added  for  each  unity  gain  setting. 

When  both  linearity  errors  and  DAC  gain  errors  are 
included,  the  gain  of  a  single  stage  is: 


Vqut 


2n 


(N  +  X)(1+A) 

RFB 


(7) 


where  (1  +  A)  = 

"dac 

With  two  similar  stages  in  series,  the  system  gain  is 
simply  the  product  of  the  two  stage  gains  or: 


Vout 


WT  =  /  2"  \  .  /  2"  \  . 

'M      l(NA  +  XA)(1+AA)J     l(NB  +  XB)(1+AB)j 


100% 
(10) 


Again,  Equation  10  is  valid  for  all  combinations  of  gain 
settings  except  those  cases  where  an  individual  gain 
stage  is  set  to  unity  gain.  For  each  unity  gain  setting  an 
additional  1LSB  (expressed  as  a  percentage)  must  be 
added  to  the  output  errorterm. 

COMPARING  THE  ERRORS 

It  is  interesting  to  compare  the  dual  DAC  performance 
with  both  single  12-bit  and  14-bit  DACs  on  the  basis  of 
DAC  nonlinearity  alone  and  then  to  add  the  DAC  gain 
error  terms.  Table  A1  in  Appendix  1  shows  computed 
values  of  equation  6  at  selected  combinations  of  gain  set- 
tings. The  effect  of  DAC  gain  error  is  included  in  Table  A2 
which  shows  computed  values  of  Equation  10.  Also  in- 
cluded in  the  tables  are  the  individual  codes  for  each  DAC 
at  the  selected  gain  settings.  The  error  terms  in  both  ta- 
bles are  calculated  for  a  PGA  system  based  on  the 
AD7547LN.  This  is  a  dual  12-bit  DAC  with  full  parallel  load- 
ing, housed  in  a  skinny  24-pin  package.  Relevant  specifi- 
cations for  this  device  are  shown  in  Table  I.  The  gain  error 
analysis  leading  to  Equations  6  and  10  assumed  that  the 
individual  loop  gains  of  the  dual  DAC  system  were  suffi- 
ciently high  so  as  to  cause  no  appreciable  error.  This  is  a 
valid  assumption  at  dcand  low  frequencies  since  extreme 
gain  settings  are  not  used  in  practice.  This  topic  is  dealt 
with  later  in  greater  detail. 


AD7547LN 

AD7547LN 

AD7547UQ 

Parameter 

TA=+25°C 

TA=  +70°C 

TA=+125°C 

Resolution,  n 

12  bits 

12  bits 

12  bits 

Relative  Accuracy,  X 

(Integral  Linearity) 

±1/2LSBmax 

±1/2LSBmax 

±1/2LSBmax 

Gain  Error 

±1  LSB  max 

±1  LSB  max 

±2LSBmax 

Output  Leakage,  ILkg 

1 0n  A  max 

150nAmax 

250nA  max 

Input  Resistance 

20kft  max 

20knmax 

20kfi  max 

NOTE:  VDD=  +  12V to  +15V 

Table  I.  AD7547  Dual  DAC  Specifications  at  TA=  +25°C, 
+  70°C  and  +125°C 

Figure  2  plots  the  results  due  solely  to  DAC  nonlinearity 
errors  of  the  three  PGA  circuits  under  comparison.  As 
might  have  been  expected,  the  dual  DAC  circuit  produces 
the  highest  errors  at  the  lowest  gains.  For  system  gains 
of  1  to  4  the  dual  12-bit  DAC  circuit  produces  the  highest 
errors.  At  a  gain  of  4,  however,  its  performance  equals 
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that  of  a  single  12-bit  DAC  circuit  and  thereafter  is  increas- 
ingly superior  with  increasing  gain.  At  a  gain  of  64  its  per- 
formance equals  that  of  a  single  14-bit  DAC  circuit,  and 
thereafter  is  increasingly  superior  with  increasing  gain. 
The  straight  line  representation  in  Figure  2  of  percentage 
error  versus  gain  for  the  dual  DAC  circuit,  however,  is  an 
idealization.  Because  the  total  gain  error  now  depends  on 
two  DAC  codes,  a  number  of  code  combinations  exist 
which  will  give  the  same  gain  (within  some  chosen  toler- 
ance) but  produce  widely  different  system  gain  errors.  For 
instance,  if  the  required  gain  is  64,  the  obvious  and  best 
distribution  of  gain  settings  for  the  dual  DAC  system  isX8 
and  X8.  From  Figure  2  this  will  give  a  system  error  of  ap- 
proximately ±0.2%.  If  gain  settings  of  X1  &  X64  were 
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Figure  2.  Comparison  of  Worst  Case  Gain  Errors  between 
PGA  Systems  Based  on  Single  and  Dual  12-Bit  Resolution, 
12-Bit  Accurate  DACs  and  a  14-Bit  Resolution,  14-Bit 
Accurate  DAC.  DAC  Gain  Error  Is  Zero  in  All  Cases 

chosen,  the  system  error  would  be  slightly  greater  than 
±0.8%,  a  four-fold  increase.  For  this  example  the  op- 
timum codes  are  obvious.  However,  for  many  other  sys- 
tem gains  which  are  not  integer  powers  of  two  and  which 
may  not  even  be  integers,  choosing  the  optimum  gain  dis- 
tribution will  require  some  attention. 

The  total  error  results  of  Table  A2  are  plotted  in  Figure  3 
along  with  results  from  Part  I  of  this  Application  Note,  of 
a  single  12-bit  DAC  (AD7545LN)  and  a  single  14-bit  DAC 
(AD7534KN).  The  very  tight  gain  error  of  the  dual  DAC  re- 
sults in  a  system  where  the  gain  error,  at  all  gain  settings, 
can  actually  be  less  than  that  of  a  single  1 2-bit  DAC. 

DYNAMIC  PROBLEMS 
STABILITY  AND  COMPENSATION 

For  the  purposes  of  investigating  the  dynamic  perform- 
ance of  DAC-based  PGA  systems,  an  equivalent  circuit  for 


a  single  DAC  and  op  amp  stage  is  shown  in  Figure  4.  Pro- 
grammable circuit  gain  is  ideally  set  by  resistors  Rfb  and 
REQ  around  the  op  amp.  A  real  DAC,  however,  also  adds 
both  a  code  dependent  resistance  R0  and  code  dependent 
capacitance  C0  between  the  op  amp  summing  junction 
and  ground.  Capacitance  C2  represents  the  sum  of  both 
stray  capacitance  and  any  added  capacitance  across  the 
equivalent  feedback  resistor.  Since  this  equivalent  resis- 
tance can  normally  be  quite  large,  the  effect  of  C2  on  the 
frequency  response  can  be  very  important. 

With  an  internally  compensated  op  amp,  whose  open 
loop  gain  rolls  off  due  to  a  single  dominant  pole,  the  3dB 
bandwidth  for  an  ideal  PGA  system  is  very  easily  found 
from  the  constant  gain-bandwidth  product  concept.  For 
instance,  if  the  gain-bandwidth  product  of  A1  in  Figure  4 
is  1.10s,  then  for  a  X1  inverting  gain  (1/(3  =  2),  the  ideal 
closed-loop  bandwidth  is  500kHz;  whereas,  for  a  X64 
gain,  it  is  reduced  to  approximately  15kHz.  Thus,  signal 
bandwidth  is  inversely  proportional  to  gain. 


0.153 

% 

AD7545LN  - 
/  0.146% 
J.  AD7547L 

0.03 
AD7 

7% 

S34KN 

Figure  3.  Comparison  of  Theoretical  Worst  Case  Gain 
Errors  between  the  Three  PGA  Systems  when  DAC  Gain 
Errors  Are  Included 
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Figure  4.  Equivalent  Circuit  for  a  . 
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The  output  capacitance  of  the  DAC,  C0,  combines  with  REQ 
to  add  an  extra  pole  to  the  closed-loop  response.  This  pole 
upsets  the  unconditional  stability  characterized  by  a  loop 
gain  slope  of  -6dB/octave  and  a  -90°  maximum  phase 
shift  by  adding  extra  phase  shift.  The  amount  of  extra 
phase  added  depends  on  the  position  of  the  spurious  pole 
with  respecttothe  undisturbed  unity  loop  gain  frequency. 
If  the  phase  margin  is  reduced  by  too  much,  the  system 
stability  is  upset  and  gain  peaking  becomes  increasingly 
evident.  For  a  PGA  system  intended  to  amplify  ac  signals, 
gain  peaking  can  be  a  serious  source  of  error.  Loop  stabil- 
ity margins  can  be  restored  and  gain  peaking  eliminated 
by  placing  a  phase  lead  capacitor  C2  across  the  feedback 
resistor  REQ. 

The  value  of  C2  plays  an  important  part  in  the  system  per- 
formance. If  C2  is  too  small  (with  respect  to  C0),  gain  peak- 
ing may  occur.  If  it  is  too  large,  the  bandwidth  of  the  am- 
plifier will  be  unnecessarily  reduced.  Ideally,  the  ratio  of 
C0  to  lead  capacitance  C2  should  be  equal  to  the  closed- 
loop  gain  minus  one.  For  a  fixed  gain  setting  it  is  possible 
to  satisfy  this  requirement.  However,  with  every  new  gain 
setting,  the  optimum  value  for  C2  will  change.  In  practice, 
the  best  solution  is  to  choose  a  value  for  C2  which  avoids 
gain  peaking  at  the  gain  setting  most  liable  to  exhibit  it  - 
the  XI  gain  setting.  For  the  circuit  of  Figure  4,  the  closed- 
loop  gain  can  be  expressed  as: 


i-{1+H£+«y}{,+s,*+(yR} 


1  +  SC,RF 


(11) 


At  low  frequencies  the  closed-loop  gain  is  equal  to  the  dc 
noise  gain,  GN,  of  the  circuit: 


GN=  1  + 


(12) 


At  the  X1  gain  setting,  REQ  is  approximately  equal  to  RFB 
and  R0  =  3  RFB  (for  the  AD7547).  Using  these  values  in 
Equation  1 2  the  ideal  Co/C2  ratio  is  found  f  rom : 


GN-1  = 


Co 
C2 

orC2  =  0.75C, 


1 


1 


(13) 


At  gain  settings  other  than  unity  the  value  of  C2  is  larger 
than  necessary  to  ensure  no  gain  peaking  occurs.  The 
drawback  to  this  is  that  the  overall  bandwidth  is  reduced 
and  the  settling  time  is  increased. 

SMALL-SIGNAL  BANDWIDTH 

For  Figure  4,  the  output  signal  voltage  can  be  expressed 
as: 


Voux=-VIN  .^_L__) 

 1  

|  ^  fGN(1+S(C0  +  C2)R)] 
+  A(<b)  (      1  +  SC2  REQ  J 


(14) 


where  R  =  RFB||  Roll  REQ 

and  A(u>)  is  the  open-loop  gain  of  the  amplifier,  a 
complex  quantity. 


The  closed-loop  signal  bandwidth  is  set  at  1/2-rr  C2  REQ,  by 
the  value  chosen  for  C2.  In  terms  of  the  digital  input  code 
to  the  DAC  the  3dB  signal  bandwidth  can  be  expressed  as: 

fwn  =   (15) 

2irC2  RLAD 

and  since  system  gain  is  inversely  proportional  to  D: 

f3dB  =  GAlN  '  Uit^RLAd)  (16) 
When  two  stages  are  cascaded  the  overall  bandwidth  is: 
0.35 


1.1  a/M2W2^ 

V     V3dBA/  \'3dBB. 


(17) 


where  f3dBA  and  f3dBB  are  the  high  frequency  3dB  cutoffs 
for  the  two  stages.  If  n  stages  have  the  same  cutoff  fre- 
quency, f3dB,  the  cascaded  bandwidth  is: 


V2^T  •  fa, 


(18) 


For  two  stages,  the  cascaded  bandwidth  is  0.64  f3dB.  In  a 
cascaded  system,  the  widest  overall  bandwidth  is 
achieved  when  each  stage  has  the  same  high  frequency 
3dB  cutoff.  This  is  equivalent  to  saying  that  the  widest 
overall  bandwidth  occurs  when  each  stage  has  the  same 
gain  setting.  This  statement  complements  that  which  was 
previously  made  in  relation  to  Equation  6  viz.  that  in  order 
to  keep  the  gain  error  as  small  as  possible  the  codes  to 
both  DACs  must  be  chosen  to  be  as  equal  to  each  other 
as  possible. 

DYNAMIC  GAIN  ERRORS 

At  the  cascaded  3dB  cutoff  frequency,  the  magnitude  of 
the  output  signal  is  0.707  times  the  input  signal  -  approxi- 
mately 30%  down.  In  certain  applications  this  amount  of 
gain  error  could  be  excessive.  In  these  instances  the  use- 
able bandwidth  should  be  considered  in  terms  of  the  addi- 
tional gain  error  resulting  from  the  fall-off  in  closed-loop 
signal  gains.  The  reduced  bandwidth  for  the  cascaded 
system  is  determined  by  the  gain  equation: 


Amplitude  =  

1  +  (j-M 


(19) 


Both  stages  are  assumed  to  have  the  same  high  fre- 
quency 3dB  cutoff.  For  example,  the  reduced  bandwidth 
necessary  to  restrict  additional  gain  errors  to  below  0.1% 
or  the  total  amplitude  to  0.999,  can  be  found  from  Equa- 
tion 19to  be: 


f  =  0.032  f3dB 


or  f  =  0.032  •  (fCASC/0.64) 

=  1/20'hof  fCASC  (20) 

This  means  that  signal  frequencies  up  to  1/20  of  the  cas- 
caded bandwidth  will  have  less  than  0.1%  of  additional 
gain  error. 
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Finite  loop  gain  can  also  contribute  additional  gain  error. 
The  square  bracketed  term  in  Equation  14  is  called  the 
gain  error  factor.  Ideally  this  factor  is  equal  to  unity;  the 
amount  by  which  it  differs  from  unity  is  equivalent  to  the 
additional  gain  error  due  to  finite  loop  gain.  Appendix  2 
contains  both  an  analysis  of  the  gain  error  factor  and  a 
worked  example  of  its  magnitude  in  a  typical  application. 
In  comparison  with  the  gain  errors  introduced  by  the  sig- 
nal bandwidth,  the  analysis  indicates  that  additional  gain 
errors  due  to  finite  loop  gain  can  be  ignored. 

NOISE  AND  DISTORTION 

Noise  does  not  cause  gain  errors  in  the  sense  of  introduc- 
ing constant  multiplicative  terms.  Rather,  it  acts  to  reduce 
the  signal  to  distortion  ratio  of  the  PGA  system.  This  topic 
is  well  covered  by  standard  op  amp  texts  and  will  not  be 
discussed  here.  Analog  Devices'  CMOS  DACs  are  man- 
ufactured with  high  quality,  thin-film  resistors  and  exhibit 
very  little  excess  noise  overthat  expected  from  an  equiva- 
lent Johnson  noise  source.  In  addition,  since  these  thin- 
film  resistors  have  a  very  small  voltage  coefficient,  any 
distortion  through  the  R-2R  ladder  results  from  Ron  mod- 
ulation of  the  signal-steering  switches.  In  practice,  how- 
ever, distortion  is  usually  limited  bytheopamp  itself. 

AC  COUPUNG  THE  OUTPUT 

In  a  dual  DAC  PGA  system  the  dc  offset  errors  of  the  first 
stage  are  multiplied  by  the  gain  of  the  second  stage.  This 
can  lead  to  quite  large  dc  error  voltages  at  the  second 
stage  output.  AC  coupling  the  output  of  the  second  stage 
obviously  eliminates  the  problem  but  adds  a  low  fre- 
quency pole  to  the  response.  This  low  frequency  pole  will 
contribute  gain  errors  to  low  frequency  input  signals.  The 
situation  is  exactly  analogous  to  the  gain  error  caused  by 
high  frequency  fall-off  discussed  previously.  Placing  the 
ac  coupling  capacitor  after  the  second  stage  also  allows 
a  single  trim  potentiometer  to  correct  for  DAC  gain  errors 
of  both  DACs.  However,  the  temperature  coefficient  of  the 
trim  potentiometer  will  not  match  the  temperature  coeffi- 
cient of  the  thin-film  resistors  of  the  DACs  resulting  in  a 
change  in  DAC  gain  error  over  temperature.  Taking  into 
account  the  fact  that  the  DAC  gain  error  of  the  AD7547LN 
is  specified  to  remain  within  ±  1LSB  from  0  to  +70°C, 
better  circuit  performance  over  temperature  may  result  if 
no  trim  potentiometer  is  used. 

TEST  RESULTS 

AC  measurements  for  a  PGA  system  based  on  an 
AD7547LN  dual-DAC  and  two  AD  OP-27E  op  amps  are 
plotted  in  Figure  5.  The  "starred"  points  indicate  the 


ADOP-27E 

ADOP-27E 

AD  OP-27A 

Parameter 

TA=  +  25T 

TA  =  +70°C 

TA=+125°C 

Open-Loop  Gain,  AOL 

1.106min 

0.75.106min 

0.6.106min 

Input  Bias  Current,  lB  (-) 

40nAmax 

60nAmax 

60nAmax 

Input  Offset  Voltage,  Vos 

25(iVmax 

50ftV  max 

60|iVmax 

NOTE:  Voo=  +  15V,  Vss=  -15V 

measured  errors  at  the  selected  gain  settings  between  X1 
and  X512.  At  each  gain  setting  the  input  signal  level  was 
adjusted  to  provide  a  6V  rms  output  signal  level.  The  test 
frequency  was  200Hz.  As  a  comparison,  the  worst-case 
theoretical  curves  from  Figures  2  and  3  for  a  dual  DAC 
PGA  system  area  also  included  in  Figure  5.  As  mentioned 
previously  in  the  text,  these  solid-line  curves  are  in  fact 
idealizations  since  in  a  dual  DAC  system  any  desired  gain 
can  usually  be  realized  by  different  code  combinations. 
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Figure  5.  Measured  vs.  Theoretical  Worst  Case  Gain  Errors 
for  AD7547-Based  System 


Output  voltage  settling  time  was  measured  for  a  step 
input  change  at  two  fixed  gain  settings  (X1,  X64).  The  out- 
put response  is  shown  in  the  photographs  of  Figure  6a 
and  6b.  For  Figure  6a  (XI  Gain)  the  input  step  size  is 
±200mV,  and  for  Figure  6b  (X64  Gain)  it  is  +  154mV.  The 
input  signal  rise  and  fall  time  in  either  case  from  the  10% 
to  90%  points  was  400ns. 


Table  II.  AD  OP-27  Specifications  at  TA=  +  25°C,  +70°C 
and  +  125X 
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Figure  6a.  Gain  of  1.  Output  Response  to  ±  200m  V  Step 
Input,  AD7547  System 
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F/'gure  6i>.  Gain  of  64.  Output  Response  to  ±  1S4mV  Step 
Input,  AD7547  System 

Settling  time  to  within  ±0.01%  for  the  XI  case  is  less  than 
15fis;  whereas,  settling  time  for  the  X64  case  is  less  than 
100ns.  Output  voltage  settling  time  was  also  measured 
for  a  change  in  gain  settings  with  a  steady  input  signal. 
Figure  6c  shows  the  output  response  when  changing 
from  a  X1  setting  to  a  X64  setting.  To  get  this  photograph 
the  codes  in  both  DACs  are  simultaneously  switched  be- 
tween 40951o  (X1  and  XI )  and  51 210  (X8  and  X8).  The  input 
loading  structure  of  the  AD7547  allows  simultaneous  up- 
dating of  the  DAC  registers  with  common  data.  The  out- 
put voltage  settling  time  to  within  ±0.01%  is  less  than 
70^s  going  from  XI  to  X64,  while  going  from  X64to  X1 
it  is  less  than  15(xs.  The  effect  of  the  high-speed,  wide 
bandwidth  AD  OP-27  op  amps  on  voltage  settling  time  is 
obvious  from  a  comparison  of  these  photographs  with 
those  of  Figure  8  in  Part  I  of  this  Application  Note. 

Total  harmonic  distortion  levels  versus  gain  settings  are 
shown  in  the  right  hand  column  of  Table  III.  For  compari- 
son, the  harmonic  distortion  levels  measured  previously 
for  the  AD7545  -  and  AD7534  -  based  PGAs  are  also  in- 
cluded in  this  table.  In  all  three  cases,  for  any  particular 
gain  setting,  the  input  signal  level  was  adjusted  to  provide 
a  6V  rms  output  signal  level.  The  test  frequency  was 
200Hz.  The  bandwidth  of  the  Hewlett  Packard  HP339A  dis- 
tortion measuring  set  on  which  the  measurements  were 
taken  was  purposely  limited  by  the  set's  3rd  order,  30kHz 
low  pass  filter  to  minimize  the  noise  bandwidth. 


mm 


HOR:  100|is  DIV 
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Figure  6c.  Output  Response  when  Gain  Switching  between 
X1  and  X64.  Constant  Input  Signal  of  +  154mV,  AD7547 
System. 
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32 
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512 


AD7545LN 
&ADOP-07 


<-90dB 
<-90dB 
<-90dB 
-89dB 
-86dB 
-82dB 
-76dB 
Not  Measured 
Not  Measured 
Not  Measured 


AD7534LN 
&ADOP-07 


<-90dB 
<-90dB 
<-90dB 
-88dB 
-86dB 
-83dB 
-79dB 
Not  Measured 
Not  Measured 
Not  Measured 


AD7547LN 
&  AD  OP-27  (2) 


<-90dB 
<-90dB 
<-90dB 
<-90dB 
<-90dB 
<-89dB 
<-84dB 
<-79dB 
<-74dB 
<-68dB 


Table  III.  Total  Harmonic  Distortion  Levels  vs.  Gain 
Settings  for  a  Constant  6V  rms  Output  Signal 

The  small  signal  bandwidth  at  a  number  of  gain  settings 
is  shown  in  Table  IV.  These  measured  frequencies  follow 
closely  the  values  predicted  from  Equations  15  -  18.  A 
value  of  47pF  was  used  for  the  phase  lead  capacitor,  C2, 
in  each  of  thetwo  stages.  With  large  signal  levels  and  high 
signal  frequencies  distortion  becomes  severe  due  to  op- 
amp  limitations.  For  example,  for  the  AD  OP-27  with  an 
output  signal  level  of  6V  RMS  the  limit  before  distortion 
rapidly  increases  is  typically  40kHz.  The  input  signal  levels 
used  for  the  bandwidth  measurements  were  varied  with 
gain  setting  in  order  to  maintain  total  harmonic  distortion 
below  75dB.  Thus  at  high  gain  settings  (small  band- 
widths),  signal  levels  were  high  in  order  to  maximize  the 
signal-to-noise  ratio;  at  low  gain  settings  (wide 
bandwidths),  signal  levels  were  low  in  order  to  avoid  op 
amp  induced  distortion. 


System 

Fcasc 

^casc 

Gain 

Measured 

Computed 

X  1 

135kHz 

135.5kHz 

X  4 

60kHz 

67.7kHz 

X  8 

44kHz 

43kHz 

X  16 

32kHz 

34kHz 

X  64 

15.4kHz 

16.9kHz 

X  256 

7.8kHz 

8.4kHz 

Table  IV.  Small  Signal  Bandwidth  vs.  Gain  Setting  for 
Dual-DAC  PGA  System 

Table  V  compares  the  voltage  noise  performances  of  the 
AD7547-based  PGA  and  the  single  DAC-based  systems. 


AD7545LN 

AD7534KN 

AD7547LN 

GAIN 

&  AD  OP-27 

&  AD  OP-27 

8.ADOP-27 

X  1 

5.5|a.V 

4.5|aV 

6.2M.V 

X  2 

9(iV 

7|iV 

11.2^V 

X  4 

18(iV 

12(xV 

17|xV 

X  8 

35(jlV 

23M.V 

31.5|iV 

X  16 

72|xV 

45n,V 

63^V 

X  32 

145(jiV 

89|iV 

127^ 

X  64 

285(iV 

175(iV 

260M-V 

Table  V.  Output  Voltage  Noise  vs.  Gain  Settings. 
Readings  are  rms,  22Hz  to  22kHz. 
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To  help  the  comparison  the  same  AD  OP-27E  op  amp  was 
used  in  both  of  the  single  DAC  circuits  and  in  the  first 
stage  of  the  dual  DAC  circuit.  No  phase  lead  compensa- 
tion capacitors  were  used  in  any  of  the  circuits.  The  results 
indicate  that  there  is  little  difference  between  the  single 
12-bit  and  dual  12-bit  PGAs  in  terms  of  output  voltage 
noise. 

FIXED  GAIN  CIRCUIT 

In  addition  to  programmable  gain  in  a  system,  a  certain 
amount  of  fixed  gain  can  also  be  useful.  It  is  possible  to 
combine  both  functions  around  a  single  DAC  plus  op 
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Figure  7.  Adding  Some  Fixed  Gain  to  the  Basic  Stage 

■ 


amp.  The  circuit  is  shown  in  Figure  7.  Resistors  R1  and  R2 
determine  the  fixed  amount  of  gain.  Normally,  the  DAC 
input  resistance  would  be  included  in  the  gain  expression 
making  circuit  gain  a  function  of  that  resistance.  This 
problem  is  eliminated  (Reference  2)  by  adding  an  input  re- 
sistor in  series  with  RFB.  This  input  resistor,  R,N,  has  a 
value  equal  to  the  parallel  combination  of  R1  and  R2.  The 
output  voltage  is: 


Vn,,T  = 


D 


(21) 


Resistors  R1,  R2  and  R|N  should  have  similar  temperature 
coefficients,  but  they  need  not  match  the  temperature 
coefficient  of  the  DAC.  Minor  gain  adjustments  can  be 
made  by  varying  the  attenuator  ratio  as  adjustment  sen- 
sitivity is  almost  unaffected  by  R 1 . 


2. 
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APPENDIX  1 


1st  STAGE 


2nd STAGE 


lt£) 


"  '.'I''  I. 


L)  AO  A  code 

Worst  Case 

r\Ar  R  PaHo 

UMU  D  UOQc 

worst  wase 

Tn+al  Prrnr 
1  Uldl  1  1 1  III 

AIM 

■Ma  (ueciman 

Error,  Ea 

M  (riafimali 
1Mb  lUeClmal; 

Error,  EB 

F«  +  Fr. 

m  jid-Sf 

1 

2 

4095 

+  0.0366% 

4095 

+  0.0366% 

+  0.0732% 

2896 

+  0.0173% 

2896 

+  0.0173% 

+  0.0345% 

3 

2365 

+  0.0211% 

2365 

+  0.0211% 

+  0.0423% 

4 

2048 

+  0.0244% 

2048 

+  0.0244% 

+  0.0488% 

8 

1024 

+  0.0489% 

2048 

+  0.0244% 

+  0.0733% 

16 

1024 

+  0.0489% 

1024 

+  0.0489% 

+  0.0978% 

32 

512 

+  0.0978% 

1024 

+  0.0489% 

+  0.1467% 

64 

512 

+  0.0978% 

512 

+  0.0978% 

+  0.1956% 

128 

256 

+  0.196  % 

512 

+  0.0978% 

+  0.294  % 

256 
512 

256 
128 

+  0.196  % 
+  0.392  % 

256 
256 

+  0.196  % 
+  0.196  % 

+  0.392  % 
+  0.588  % 

Error  (%)  ; 


XA 


XB 


INA+XA  NB+XB 


}-100% 


Table  A1.  Computed  Worst  Case  Gain  Error  for 
12-Bit  Accurate  (X  =  ±  0.5LSBs)  DACs  with  Zero 
Additional  ErrorTermsasDiscussedinthe Text. 

1st  STAGE 


Equation  6for  Dual  12-Bit  Resolution  (n  =  12), 
DAC  Gain  Error.  The  Unity  Gain  Values  Include 


(6) 


System  DAC  A  Code 
Gain         NA  (Decimal) 

 1  TTTZ  


1 

2 
3 
4 
8 
16 
32 
64 
128 
256 
512 


4095 
2896 
2365 
2048 
1024 
1024 
512 
512 
256 
256 
128 


Worst  Case 

Error,  EA 




+  0.073  % 
+  0.0417% 
+  0.0456% 
+  0.049  % 
+  0.073  % 
+  0.073  % 
+  0.122  % 
+  0.122  % 
+  0.22  % 
+  0.22  % 
+  0.417  % 


2nd  STAGE 

DAC  B  Code 
NB  (Decimal) 


2896 
2365 
2048 
2048 
1024 
1024 
512 
512 
256 
256 


Worst  Case 
Error,  EB 


+  0.073  % 
+  0.0417% 
+  0.0456% 


+  0.049 
+  0.049 
+  0.073 
+  0.073 
+  0.122 
+  0.122 
+  0.22 
+  0.22 


Total  Error 
Ea  +  Eb 


+  0.0146% 
+  0.083  % 
+  0.091  % 
+  0.098  % 
+  0.122% 
+  0.146% 
+  0.195  % 
+  0.244  % 
+  0.342  % 
+  0.44  % 
+  0.637  % 


Error  (%) 


"[{(1+/ 


1 


A  +  Xjj    Id +AB) 


1 


NB  +  XB)l] 


100% 


AA)     (1+AA)\NA  +  XA/J     1(1 +AB)  (1+AB)\nBi 

TableA2.  ComputedWorstCaseGainErrorforEquation  lOforDual  12-Bit  Resolution  (n=  12), 
1 2-Bit  Accurate  (X  =  ±  0.5LSBs)  DACs  with  DAC  Gain  Errors  of  ±  1 LSB  ( =  ±  1/4096).  The  Unity 
Gain  Values  Include  Additional  Error  Terms  as  Discussed  in  the  Text. 


(10) 
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APPENDIX  2 

The  gain  error  factor  from  equation  14  is: 


where  r,  =  V1  +  (w/w,)2 


1  + 


PA(o>) 


1+    1    fGN(1+S[C0  +  C2]R) 


1  + 


pA(co) 


AM  [  1+SC2REQ 

 1  

1   |      1  [GN(1+jco/Ml)l 
A(w)[     1+ju>/«2  J 

where  a),  =  ■ 
and(D2  : 


(A1) 


(A2) 


r2  =  VI  +  (w/u>2)2 

A0LM  =  A0L/V1  +(ft)/a)p)2 

A0L  is  the  devalue  of  the  open  loop  gain 
and  u)P  is  the  break  frequency  of  the 


J  

(C0  +  C2)  •  R 
1 


C2  ■  REQ 

Equation  A2  can  be  rewritten  emphasizing  the  phasor 
qualities  of  itsterms: 


op  amp 
Also,  <5  =  6,-62+63 
wheree,=t3n-i(^) 


■  tan-1 


1 


1  + 


(JAM 


1  + 


GN  •  r, 


(A3) 


A0L(u>) '  r2 

The  magnitude  of  the  gain  error  factor  can  now  be  written 
as: 

1 


=  t  -1  — 

1  (Op 


1 


1  + 


1 


(3A(<o) 


GN  •  r. 

2 

GN;r, 

+  2C0Se 

A0L(w)  ■  r2 

A0l.M  •  r2 

(A4) 


(A5) 


Since  the  cosine  of  an  angle  6  between  90°  and  180°  is 
negative,  then  it  is  possible  for  the  gain  error  factor  of 
Equation  A5  to  be  greater  than  unity  causing  gain  peak- 
ing. From  Equation  A4  the  angle  8  is  the  sum  of  83,  due 
to  the  op  amp  pole  at  mp;  6,  due  to  the  closed-loop  zero 
at  to-,  and  82,  due  to  the  closed-loop  pole  at  w2.  The  relative 
positions  of  mi  and  u>2  determine  the  overall  response  of 
the  system. 

Equation  A5  is  the  gain  error  factor  for  a  single  stage.  For 
a  dual  DAC  PGA  the  overall  gain  error  factor  can  betaken 
to  be  the  sum  of  both  stage  factors. 

From  the  AD7547  data  sheet,  Co=140pF  max  and 
Ri_AD  =  20kfl  max.  The  value  of  compensation  capacitor, 
C2,  required  to  prevent  gain  peaking  depends  upon  the 
minimum  value  of  programmable  gain  to  be  used.  For  a 
X1  gain  setting  C2  =  0.75  C0  or  C2=  100pF  (from  Equation 
13).  If  the  overall  gain  required  is  X16,  then  the  widest 
system  bandwidth  occurs  when  both  stages  have  gain 
settings  of  X  Vl6  i.e.,  X4.  The  signal  bandwidth  for  a 
single  stage  is  found  from  Equation  16  to  be: 


1 


1 


fjdB  GAIN^itCjRlad 
=  20kHz 
The  cascaded  bandwidth  is: 
fcAsc  =  0-64f3dB 
=  12.7kHz 


If  the  additional  gain  error  due  to  signal  roll-off  is  to  be 
kept  below,  say,  0.1%,  then  from  Equation  19,  the  useable 
system  bandwidth  reduces  to  1/20  of  the  cascaded 
bandwidth,  i.e.,  600Hz.  If  AD  OP-27  op  amps  are  used 
which  have  an  open-loop  gain  of  approximately  80dB  at 
600Hz,  then,  from  Equation  A5,  the  additional  gain  error 
due  to  a  single  stage  is  found  to  be  less  than  0.004%.  Two 
similar  stages  will  contribute  less  than  0.01%  of  additional 
gain  error.  This  error  is  an  order  of  magnitude  below  that 
caused  by  signal  roll-off.  Hence,  in  comparison  with  sig- 
nal roll-off,  nonideal  gain  error  factors  can  be  ignored  as 
a  source  of  additional  gain  error. 

A  value  of  5.5  for  GN  was  used  in  Equation  A5  to  deter- 
mine the  additional  gain  error.  Appendix  3  shows  how 
this  value  was  determined  and  gives  a  software  listing  to 
help  determine  GN  for  any  other  gain  setting. 
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APPENDIX  3 


DIX3 

orGN  =  1  +  (Stage  Gain)  •  ^1  +  ^-j 


R  OUT  =  1  + 
This  is  now  used  to  find  the  noise  gain,  Gn- 


4  !  Xt*X*t*tt***t**t***tXX**t* 

** 

5  i    *  PROGRAM  TO  PLOT  DAC  ROUT 

t    !    *  FOR  ANY   NUMBER  OF  BITS 
* 

7  !    <  x  *  .*.  t  *  *  x  *  *  1 1  xt:xx  *  *  *  x  x  X  x  t  X  t 
XX 

8  CLERR 

10  DISP   "MO  OF  BITS'   l»   INPUT  N 
15  DIM  BC28j 

18  DISP  i*  OISP    "ENTER  CODE   IN  D 

EC" 
28   INPUT  F 
£5  D  =  F 

27  CLERR  li  DISP  6  DISP  6  DISP  " 

COMPUTING" 
38  G0SU6  1000 
40  GOSUB  4080 
58   DISP   8  DISP 

52  CLEAR  8  OISP  '*  DISP  8  OISP  " 
NUMBER   OF   BITS   =    "  N 

54  DISP   8   DISP   i?   DISP    " CODE  IN 
DEC   =    "  .■  F 

5b   DISP   I*  DISP 

68  DISP   "ROUT  =   "  ..  E 

78  END 
1000   REM   DEC   TO  BIN 
1818  FOR   C=N-1    TO  0   STEP  -i 
1028  D=D-2-C 

1838   IF  D<8  THEN  D=D  +  2-C  &  6(N-C 

>=8  ELSE  B<N-C>=1 
1040   NEXT  C 
1856  RETURN 

4000   REM   CALCULATE  POUT 
4885   T=0   8  S=8 
4010   FOR   C=l    TO   N   STEP  1 
4028    IF   B<C>=1    THEN  4840 
4038  GOTO  4878 
4048  V=l+2'  <:  1-2*0 
4858  T=T+Y 
4878  NEXT  C 
4888  FOR  C=2  TO  H-l 
4898  FOP  J=C+1   TO  N 
4188   IF  B<C>  =  1   AND  6».J>  =  1   THEN  4 
128 

4118  GOTO  4148 

4128  X=2*(2-C-J)*(2A(2*C-2)-l  .» 

4138  S=S+X 

4148  NEXT  J 

4158  NEXT  C 

4160  E  =  T-S   i*   E  =  3'E 

4165  E=l-  E 

4178  E=E+1 

4175  E=E-F-'2'-N 

4198  RETURN 


Table  A3.  HP-85  Listing  for  Solving  (1+RFB/R0)  Ratio 
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3-Phase  Sine  Wave  Generation  Using  the  AD7226  Quad  DAC 

by  Mike  Byrne 


This  application  note  discusses  the  use  of  the  AD7226  in 
waveform  generation.  It  discusses  how  to  generate 
3-phase  sine  waves  which  can  be  used  in  driving  small  3- 
phase  motors.  The  AD7226  is  a  quad,  8-bit,  CMOS  D/A 
converter  packaged  in  a  20-pin  DIP  (consult  the  datasheet 
for  information  on  the  part). 

The  circuit  of  Figure  1  shows  one  method  of  generating 
3-phase  sine  waves  using  the  AD7226.  The  circuit  consists 
of  a  2716  EPROM,  in  which  sine  wave  values  are  stored 
in  digital  form;  a  counter,  which  counts  through  the  2716 
addresses,  and  control  logic  which  controls  the  counter 
and  the  loading  of  the  AD7226.  The  proper  codes  for  syn- 


thesizing three  sine  waves  are  stored  in  sets  of  three.  Each 
set  of  three  code  values  results  in  output  sine  wave  values 
which  have  a  120°  separation  between  them.  For  exam- 
ple, if  Address  X  contains  a  code  corresponding  to  0°then 
Address  X  +  1  contains  a  code  corresponding  to  120°and 
X  +  2  a  code  corresponding  to  240°.  The  next  address, 
X  +  3,  is  the  start  of  another  set  of  three  codes  and  it  con- 
tains a  value  corresponding  to  (0°+ 1 .4°)  (i.e.,  3607256,  as- 
suming a  256-element  sine  wave  table  is  used).  Address 
X  +  4  contains  a  value  corresponding  to  ( 1 20°  + 1 .4°)  and 
so  on.  Therefore,  for  a  256-element  sine  wave,  768 
(3  x  256)  addresses  in  the  EPROM  are  used. 


+  10V  +15V 

,  I  l_ 


V 

Figure  1.  3-Phase  Sine  Wave  Circuit 
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The  logic  in  the  circuit  controls  the  output  of  data  from  the 
271 6  and  the  loading  of  the  D/A  converters  in  the  AD7226. 
It  ensures  that  successive  values  from  the  EPROM  are 
loaded  to  the  D/A  converters  in  turn.  Referring  to  the  ex- 
ample already  given,  data  from  Address  X  is  loaded  to 
DAC  A,  Address  X  +  1  to  DAC  B,  Address  X  +  2  to  DAC  C, 
Address  X  +  3  to  DAC  A  again  and  so  on.  A  full  cycle  for 
the  three  sine  waves  is  generated  by  stepping  through  the 
full  look-up  table  in  the  EPROM.  When  data  from  the  last 
address  has  been  loaded  to  the  AD7226,  the  counter  is 
reset  and  the  cycle  begins  again. 

With  a  256-element  sine  table  the  output  frequency  is 
1/768th  of  the  input  clock  frequency.  Varying  the  input 
clock  frequency  over  the  range4kHzto  IMHz  will  vary  the 
output  frequency  from  a  few  Hz  to  1.2kHz.  The  matching 
and  tracking  between  the  D/A  converters  of  the  AD7226 
ensures  a  very  good  match  between  the  output  amplitude 
of  each  of  the  sine  waves.  Figure  2  shows  some  typical  re- 
sulting waveforms,  after  filtering  with  a  simple  RC,  for  a 
1.2kHz  output  frequency.  This  was  found  to  be  the 
maximum  frequency  at  which  the  circuit  could  be  run 
without  appreciable  change  in  the  distortion  figures  for 
the  output  waveforms.  The  limiting  factor  on  the  fre- 
quency range  is  the  450ns  data  access  time  specification 
of  the  271 6  EPROM.  To  increase  the  frequency  range,  the 
2716  should  be  replaced  by  an  EPROM  with  a  faster  ac- 
cess time.  Alternatively,  if  a  sine  wave  look-up  table  with 
less  elements  is  used  then  the  frequency  of  the  output 
sine  waves  will  be  increased  since  the  time  to  cycle 
through  a  full  look-up  table  is  decreased.  For  example,  if 
an  85-element  sine  table  is  used,  with  the  same  clock  fre- 
quency, then  the  maximum  output  frequency  (again 
using  the  271 6  EPROM)  is  increased  to  3.6kHz. 


Figure  2.  3-Phase  Sine  Wave  Output 


Figure  3  shows  typical  harmonic  distortion  results  using 
the  circuit  of  Figure  1  after  the  output  has  been  filtered  by 
a  single  pole  RC  with  a  3dB  frequency  slightly  larger  than 
the  output  frequency.  The  RC  will  not  have  a  significant 
effect  on  the  portion  of  the  spectrum  shown  but  will  how- 
ever remove  harmonics  of  the  sampling  frequency.  The 
results  show  that  the  largest  harmonic  of  the  sine  wave 


is  typically  -  55dB  below  the  fundamental.  The  total  har- 
monic distortion  figure  is  typically  -48dB.  These  distor- 
tion figures  were  achieved  up  to  a  frequency  of  1.2kHz, 
using  a  256-element  sine  wave  table.  When  an  85-element 
table  is  used  and  the  output  frequency  increased  to 
3.6kHz,  the  total  harmonic  distortion  figures  are  not  ap- 
preciably worse  after  the  output  has  again  been  filtered 
with  a  simple  RC  circuit. 


mi  ii  iirmni  mi  I 

II'  IM*  Mill  f. Ill  HI  111  Mil 

ILMlXmVJTlVl'lMWI 


STAB 

T  20.0  Hz 
RBU  10  Hz 

STOP  2  000.0  Hz 
VBU  10  Hz             ST  62.0  SEC 

Figure  3a.  Output  Spectrum  (400Hz) 

START  20.0  H 
PBW  30  H 


STOP  3  000.0  Hz 
ST  17.4  SEC 


Figure3b.  Output  Spectrum  (1.2kHz) 

A  basic  program  for  generating  the  code  values  for  a  256- 
element  sine  wave  table  on  the  AIM-65  is  shown  in  Table 
I.  The  program  has  to  be  run  through  a  total  of  three  times 
to  fill  all  768  locations  of  the  sine  wave  look-up  table. 

INPUT  "P";P 
FORX  =  0TO255 

LET  A  =  SIN  [(X  *  1 .40625  +  P)/57.2958] 

LETY  =  INT(128.5+127*A) 

POKE  L,Y 

LET  L  =  L  +  3 

NEXTX 

END 


NOTE:  [L  =  3328  and  P  =  0  for  1  st  Sine  Wave 

L  =  3329  and  P  =  1 20  for  2nd  Sine  Wave 
L  =  3330  and  P  =  240  for  3rd  Sine  Wave! 

Tablet.  Basic  Program 
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In  the  program  the  numerical  values  which  the  SIN  func- 
tion acts  upon  are  in  radians.  For  lesser  element  sine  ta- 
bles line  2  in  the  program  should  be  modified.  For  exam- 
ple, to  get  a  3  x  85-element  table,  STEP  3  should  be  added 
to  the  end  of  the  line.  The  decoding  to  reset  the  counter 
would  also  have  to  be  changed  since  the  counter  would 
now  only  countth rough  255  states. 

In  the  circuit  of  Figure  1  the  fourth  D/A  converter  of  the 
AD7226,  DAC  D,  is  not  addressed.  The  circuit  can  easily  be 
adapted  to  address  this  fourth  DAC.  In  this  case  DAC  Dean 
be  used  in  a  feedback  configuration  to  provide  a  pro- 
grammable reference  voltage  for  itself  and  the  other  three 
converters.  This  configuration  is  shown  in  the  circuit  of 
Figure  4.  It  means  that  the  amplitude  of  the  output  sine 
waves  can  be  programmed  by  varying  the  digital  code  in 
latch  D.  Note  that  varying  the  digital  code  in  latch  D  varies 
the  output  amplitude  of  all  three  sine  waves.  The  relation- 
ship of  VREF  to  V|N  is  dependent  upon  digital  code  and 
upon  the  ratio  of  resistors  R1  and  R2.  It  can  be  expressed 
bythe  formula: 

w     _  (1.+G)  ... 


1+GDD 


where  G  =  R2/R1 
and  DD  is  a  fractional  representation  of  the  digital  word  in 
latch  D(0«DD«  255/256). 


Figure  4.  Self-Programmable  Reference 

Figure  5  shows  typical  plots  of  VREF  versus  digital  code  for 
three  different  values  of  R2.  With  V,N  =  2.5V  and  R2  =  3R1 


the  voltage  at  the  output  of  A1  (i.e.,  the  reference  voltage 
for  the  AD7226)  will  vary  between  +2.5Vand  +10Vover 
the  digital  input  code  range.  The  circuit  of  Figure  4  should 
only  be  used  when  the  AD7226  is  operated  in  dual 
supplies.  This  is  because  the  AD7226  has  reduced  current 
sink  capability  at  output  voltages  near  OV  when  used  in 
single  supply  (see  AD7226  data  sheet).  As  a  result  the  cir- 
cuit would  not  operate  correctly  at  lower  values  of  digital 
input  code.  For  correct  operation  with  dual  supplies  R1 
must  be  greaterthan  6.8kfi. 

The  circuit  of  Figure  1  need  not  necessarily  be  used  to 
generate  3-phase  sine  waves.  Since  the  codes  in  the 
EPROM  determine  the  shape  of  the  output  waveforms 
then  the  D/A  converters  can  be  made  to  produce  various 
different  outputs.  For  example,  the  circuit  can  be  used  to 
generate  a  square  wave  output  from  DAC  A,  a  triangular 
wave  output  from  DAC  B  and  a  sine  wave  output  from 
DAC  C,  with  all  waveforms  at  the  same  frequency.  The 
method  for  storing  the  codes  in  EPROM  is  as  outlined  be- 
fore with  the  codes  stored  in  sets  of  three.  The  resulting 
waveforms  are  shown  in  Figure  6.  Once  again,  only  three 
of  the  AD7226  outputs  are  used.  This  is  because  the  circuit 
of  Figure  1  is  designed  for  selecting  only  three  of  the  D/A 
converters.  It  can  easily  be  adapted  so  that  the  fourth  D/A 
converter  can  be  used  to  provide  a  fourth  output 
waveform.  Alternatively,  the  fourth  D/A  converter  can  be 
used  to  program  the  amplitude  of  the  output  waveforms 
as  before. 


Figure  6.  Output  Waveforms 


80  96  112  128  144  160  176  192  208  224  240  I 
DIGITAL  CODE  -  DECIMAL  EQUIVALENT 


Figure  5.  Variation  of  VREF  with  Feedback  Configuration 
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8th  Order  Programmable  Low  Pass  Analog  Filter  Using  Dual  12-Bit  DACs 

by  Bill  Slattery 


INTRODUCTION 

This  application  note  describes  the  design  of  a  low  pass 
analog  filter  whose  cutoff  frequency  can  be  programmed 
from  100Hz  to  50kHz.  The  filter  is  designed  as  a  plug  in  ex- 
pansion board  for  IBM  PC  AT/XT*  or  compatibles.  A  high 
orderfilterfunction  is  implemented,  giving  a  very  fast  roll- 
off  in  the  transition  band.  This  design  realizes  an  8th  order 
function  with  a  roll-off  equalling  48dB/octave.  The  note 
also  discusses  some  of  the  tradeoffs  and  practical  limita- 
tions which  must  be  considered  when  designing  a  filter. 

The  design  is  based  on  a  2nd  order  universal  active  fil- 
ter, as  shown  in  Figure  1.  The  required  performance  is 

achieved  by  cascading  four  of  these  2nd  order  stages. 

■ 


Figure  1.  Universal  Active  Filter 

The  cutoff  frequency  of  the  filter  is  determined  by  R3,  R4, 
C1  and  C2.  Digital  control  of  the  cutoff  frequency  is 
achieved  by  replacing  resistors  R3  and  R4  in  each  stage 
by  CMOS  Multiplying  Digital  to  Analog  Converters 
(DACs).  The  DAC  is  in  effect  configured  as  a  digitally  pro- 
grammable resistance. 

To  have  accurate  control  of  cutoff  frequency,  R3  and  R4 
within  each  stage  must  be  closely  matched.  This  is  best 
achieved  by  replacing  these  two  resistors  with  a 
monolithic  dual  12-bit  DAC.  Analog  Devices  produces  a 
range  of  suitable  dual  12-bit  DACs,  the  AD7537,  AD7547 
and  AD7549.  Since  these  have  two  DACs  on  one  chip,  DAC 
resistance  matching  will  be  in  the  order  of  0.5%.  Addition- 
ally, the  use  of  12-bit  DACs  ensures  excellent  resolution 


*IBM  PC  AT/XT  is  a  trademark  of  International  Business  Machines 
Corp. 


over  the  wide  range  of  cutoff  frequencies  which  can  be 
programmed  to  the  filter. 

Applications  for  this  filter  include  Industrial  Process 
Control,  Automatic  Test  Equipment  (ATE),  Sonar  Signal 
Processing,  Instrumentation,  Audio  Systems  and  Data 
Acquisition  Systems.  In  Digital  Signal  Processing  (DSP) 
applications,  it  can  be  used  as  the  front  end,  low  pass, 
anti-alias  filter. 

THE  FILTER  FUNCTION 

A  2nd  order  low  pass  filterfunction  isgiven  by 

VqutISI  _  AqMo2 


V,N<">       S*  +  0)0  S  +  U)02 

Q 


(1) 


wherr 


eres    =  jo> 

<o0  =  3dB  bandwidth  (cutoff  frequency) 

Q  =  circuit  0.  factor 

Ao  =  gain  at  u>  =  o>0 

The  universal  active  filter  shown  in  Figure  1  has  a  2nd 
order  low  pass  transfer  function  given  by 


Vn„T<s» 


R1  R6 


(ci  R3) 


(2) 


v„«  "s2+a|R|(  1  )s+  (if 

R2R6  VC1  R3/        \C1  R3/ 

when  R3  =  R4 
R7  =  R8 

and     C1  =  C2 

By  comparing  coefficients  between  Equations  (1)  and  (2) 
weseethat 


Q 


R1  R6 

R2  R6 
R5R8 


(3) 


(4) 

(5) 
1 

hence      fo  =  2¥cTR3  Wtercutoff  frequency)  (6) 


 1 

"*°  "  CI  R3 
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Q,  =0.51 

'o2  —  fo 

Q2  =0.601 

fo3  -  *0 

Q3  =0.9 

f 04  — 

Q4  =2.563 

STAGE  2 


STAGE  3 


STAGE  4 


Figure2.  Block  Diagram  of  8th  Order  Butterworth  Filter 


8th  Order  Butterworth  Filter  Function 

In  realizing  a  particular  8th  order  filter  function,  each  2nd 
order  stage  is  individually  programmed  to  a  specific 
cutoff  frequency,  f0  and  Q.  Values  of  f0  and  Q  for  different 
filter  types  can  be  found  using  tables  or  software  rou- 
tines which  are  widely  available  (References  1  and  2). 

The  design  discussed  in  this  application  note  implements 
a  unity  gain,  Butterworth  filter  function.  The  cutoff  fre- 
quency which  must  be  programmed  to  each  stage  is  the 
same  as  the  overall  filter  cutoff  frequency  fo.  The  Qs  of 
each  stage,  however  are  not  the  same.  Figure  2  shows  the 
required  values  of  fD  and  Q  for  each  stage. 

Since  the  gain  of  each  stage  is  unity  (A0  =1),  Equations 
(3)  and  (4)  can  now  be  solved  using  the  values  of  Q  given 
in  Figure  2,  to  yield  the  required  resistor  values.  Table  I 
lists  the  required  resistor  values  of  each  stage. 


Stage  1 

Stage  2 

Stage  3 

Stage 4 

R1 

39k 

150k 

120k 

12k 

R2 

20k 

82k 

82k 

33k 

R5 

12k 

82k 

82k 

3.9k 

R6 

10k 

1.8k 

2.7k 

10k 

R7 

33k 

3k 

3k 

33k 

R8 

33k 

3k 

3k 

33k 

1%  tolerance  resistors  should  be  used. 

Tab/e  /.  Resistor  Values  for  Each  Stage  of  This  8th  Order 
Butterworth  Filter 

DIGITAL  CONTROL  OF  CUTOFF  FREQUENCY 

The  cutoff  frequency  of  the  filter  is  determined  by  CI,  C2, 
R3  and  R4.  However,  since  C1  =  C2  and  R3  =  R4,  the 
cutoff  frequency  f0  can  be  expressed  in  the  form  shown 
in  Equation  (6). 

Digital  control  over  cutoff  frequency  is  achieved 
by  replacing  R3  and  R4  with  one  of  the  following 
configurations: 


1.  The  AD7537  DAC. 

2.  The  AD7537  DAC  in  series  with  a  padding  resistance 
Rpad- 

The  principal  difference  between  the  AD7537,  AD7547 
and  AD7549  is  in  their  loading  structure.  The  AD7537  is 
chosen  for  this  design,  see  Figu  re  3.  Its  2  byte  (8  +  4)  load- 
ing structure  makes  it  ideal  to  use  with  a  microprocessor 
based  system  which  has  an  8-bit  data  bus.  The  IBM  PC  AT/ 
XT  or  compatible  is  just  such  a  system. 


IT  REG     y     INPUT  REG 


Figure  3.  Functional  Block  Diagram  ofAD7537 

The  AD7537  is  a  dual  12-bit  current  output  DAC  which 
comes  in  a  space  saving  24-pin  0.3"  wide  package.  The 
AD712  op  amp  is  chosen  for  this  design.  It  is  a  high  per- 
formance, low-cost  dual  op  amp.  Its  large  Gain  Bandwidth 
Product  ensures  excellent  performance  of  the  filter  for 
cutoff  frequencies  up  to  and  beyond  50kHz.  (For  more  de- 
tailed information  on  the  AD7537  and  AD712  consult  the 
relevant  data  sheets.) 

Design  (1) 

Figure  4  shows  how  R3  and  R4  are  replaced  by  the  AD7537 
dual  DAC.  The  AD7537  is  now  in  effect  a  pair  of  pro- 
grammable resistors. 

The  equivalent  resistance  of  a  DAC  in  this  configuration 
is  given  by 

D 


Req  — 


(7) 


where  RDAC  is  the  DAC  ladder  resistance 

and  D  is  the  digital  fraction  programmed  to  the  DAC 
D  is  given  by 

N 


D  =  - 
2" 

where  n  =  resolution  of  DAC  in  bits 
(inthiscasen  =  12) 


(8) 

■ 


N  =  DACdigitalcode(decimal1to4095) 
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Since  R3  is  now  replaced  by  REQ  we  can  write 

f°  =  2nd  REQ  (9) 

Choosing  C1  =  220pFand  RDAC=  14k 

and  solving  between  Equations  (7),  (8)  and  (9),  the  cutoff 
frequency  can  be  written  as  a  function  of  the  decimal 
codeN. 

f0  =  (0.01 262-N)  kHz  (10) 

In  practice  the  cutoff  frequency  can  now  be  programmed 
between  100Hzand  50kHz  with  a  resolution  of  13Hz. 


frequency  can  be  written  as  a  function  of  the  decimal 
code  N. 


DB7  DBO 


Figure  4.  Single  Stage  of  Programmable  Filter  Using  an 
AD7S37 


For  a  known  DAC  ladder  resistance,  a  stage  can  be  accu- 
rately programmed  to  a  specific  cutoff  frequency.  The  two 
frequency  controlling  resistors  are  effectively  matched  to 
within  0.5%,  since  both  are  in  one  monolithic  package. 
However,  to  achieve  an  overall  accurate  filter  cutoff  fre- 
quency, the  DACs  in  each  of  the  four  stages  must  have 
similar  DAC  ladder  resistances.  DAC  ladder  resistance  can 
vary  between  9k  and  20k  with  a  typical  value  of  14k,  for 
different  AD7537S. 

Design  (2) 

One  solution  that  can  be  adopted  to  avoid  using  specially 
selected  AD7537s  is  to  use  a  padding  resistance  Rpad  in 
series  with  the  DAC  ladder  resistance  as  shown  in  Figure 
5.  A  large  value  of  Rpad,  100k,  is  used.  This  has  the  effect 
of  desensitizing  the  variations  in  DAC  ladder  resistance. 
This  means  that  the  specified  variation  in  DAC  ladder  re- 
sistance now  has  an  insignificant  effect  on  the  overall 
filter  performance. 

The  equivalent  resistance  of  a  DAC  in  this  configuration 
is  given  by 

Req  =  rdac  +  rpao  (n) 

Choosing  C1  =  22pF,  RPAD  =  100k  and  RDAC  =  14k 

and  solving  between  Equations  (8),  (9)  and  (11),  the  cutoff 


fo  =  (0.01 549'N)  kHz 


(12) 


The  cutoff  frequency  can  now  be  programmed  between 
1 00Hz  and  50kHz  with  a  resolution  of  1 6Hz. 

It  should  be  noted  that  since  we  are  using  DACs  whose 
ladder  resistance  can  vary  between  9k  and  20k,  the  above 
expression  for  f0  will  be  accurate  to  within  ±4.5%.  If  the 
padding  resistance  RPAD  was  not  used,f0  could  vary  by  up 
to  ±30%  of  the  programmed  value.  Design  1  does  not 
have  this  problem  since  DACs  whose  ladder  resistance  is 
known  to  be  14k  are  used.  Cost  and  accuracy  tradeoffs 
must  be  considered  when  choosing  either  of  the  two 
design  options. 


•See  "GAIN  BANDWIDTH  PRODUCT  SECTION". 
*  '  ADDITIONAL  CIRCUITRY  OMITTED  FOR  CLARITY. 

Figure  5.  Single  Stage  of  Programmable  Filter  Using  an 
AD7537 and  Series  Resistances  Rpad 

GAIN  BANDWIDTH  PRODUCT 

A  compensation  capacitor  Cc  must  be  used  on  the  4th 
Stage  of  the  filter.  This  is  required  to  reduce  effects 
caused  by  Gain  Bandwidth  Product  limitations.  The  value 
of  capacitance  depends  on  the  type  of  function  imple- 
mented and  the  design  option  choosen. 

For  this  8th  Order  Butterworth  Filter,  the  value  of  the 
capacitor  can  vary  between  1 5pF  and  47pF 

Design  (1)-  Use  15pF 

Design  (2)- Use 47pF. 

DIGITAL  INTERFACE 

The  filter  circuit  can  be  built  on  a  standard  IBM  prototype 
card  and  plugged  directly  into  the  expansion  slot  on  the 
main  board  of  an  IBM  PC  AT/XT  or  compatible.  The  pro- 
totype board  basically  consists  of  buffers  and  some  cir- 
cuitry which  generates  an  enable  line  EN.  Figure  7  shows 
the  interface  layout  used.  Each  AD7537  is  addressed  (CS) 
using  a  74LS1 38  (3  to  8  line  decoder).  Address  lines  A3  to 
A5  as  well  as  the  EN  and  IOW  lines  are  used  to  decode 
each  address.  The  valid  addresses  which  can  be  used  are 
HEX300toHEX31F. 

i 
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Since  the  AD7537  is  a  dual  12-bit  DAC,  data  is  loaded  to 
each_DAC_  with ,  a  ?JSyt£j8  +  4)M loading  ira^ 

in  Table  A1,  Appendix  1.  The  program  is  run  by  inputting 
the  required  cutoff  frequency  in  kHz  as  well  as  the  values 
of  Rdac.  Rpad.  and  CI .  The  program  calculates  and  outputs 
the  relevant  digital  code  to  each  of  the  DACs.  Figure  6 
gives  a  flow  diagram  representation  of  the  program  used. 

PERFORMANCE 

Plots  of  amplitude  and  phase  response  as  well  as  a  plot 
of  the  noise  spectrum  for  the  8th  Order  Butterworth  Filter 
are  given  in  Appendix  2. 

Figure  A1  shows  the  amplitude  response  of  the  filter 
using  Design  1.  Plots  for  four  different  cutoff  frequencies 
are  given  in  this  figure.  The  programmed  cutoff  frequency 
is  found  to  be  within  3%  of  the  actual  cutoff  frequency 
achieved,  for  each  of  the  four  cases.  Passband  ripple  is  in 
the  order  of  0.2dB.  Stop-band  rejection  is  greater  than 
100dB,  except  for  frequency  components  between  2kHz 
and  4kHz,  and  at  41  kHz  and  1  MHz,  where  rejection  is  in  the 
order  of  90dB.  The  reduction  in  attenuation  at  lower  fre- 
quencies is  mainly  due  to  the  increased  value  of  DAC 
equivalent  resistance  REQ.  As  the  value  of  resistance  in- 
creases, so  too  does  the  level  of  noise  increase.  In  prac- 
tice, frequencies  below  500Hz  should  not  be  programmed 
to  the  filter  with  the  component  values  used  in  this  design 
option.  Cutoff  frequencies  of  less  than  500Hzcan  however 
be  achieved  if  larger  values  of  capacitance  CI  are  used. 
This  effectively  reduces  the  range  of  selectable  cutoff  fre- 
quencies but  allows  lower  cutoff  frequencies  with  a  re- 
duced noise  floor  to  be  programmed  to  the  filter.  At  high 
frequencies,  greater  than  10MHz,  it  is  found  that  there  is 
less  attenuation;  attenuation  reduces  below  90dB.  This  is 
due  both  to  gain  bandwidth  limitations  of  the  op  amp  and 
feedthrough  across  the  system. 

Figure  A2  shows  the  amplitude  response  for  various 
cutoff  frequencies,  using  Design  2.  Again  we  can  see  that 
the  pass  band  ripple  is  less  then  0.2dB.  The  accuracy  of 
the  cutoff  frequency  however  will  vary  by  about  4.5% 
from  the  programmed  cutoff  frequency.  Also,  it  should  be 
noted  that  in  using  Design  2  stopband  rejection  will  be  re- 
duced to  about  70dB.  This  is  due  to  increased  noise 
caused  by  the  large  value  of  padding  resistance  RPAD.  This 
can  be  reduced  somewhat  by  using  low  noise  resistors. 

Figure  A3  is  a  plot  of  the  noise  spectrum  at  the  output  of 
the  filter,  using  Design  1.  The  cutoff  frequency  is  pro- 
grammed at  50kHz,  and  the  input  is  grounded.The  largest 
noise  component  in  our  system  occurs  at  about  41  kHz  and 
has  an  amplitude  of  -  54.8dBm*  (0.4mV).  Since  the  filter 
is  present  in  a  noisy  environment,  i.e.,  the  board  of  an  IBM 
PC  AT/XT  or  compatible,  it  is  not  surprising  that  there 
should  be  noise  present  in  the  system.  In  practice,  there 
is  a  minimum  input  signal  level  that  can  be  applied  to  the 

•Measured  with  respect  to  50fl. 


Figure  6.  Flow  Diagram  Representation  of  Control 
Algorithm 

filter  to  achieve  a  specific  Signal-to-Noise  Ratio  (SNR)  in 
the  filter's  pass  band.  In  this  design,  using  the  noise  com- 
ponent at  41kHz,  an  SNR  greater  than  90dB  can  be 
achieved  by  applying  input  signal  levels  of  greater  than 
1.3V  rms. 

Figure  A4  is  a  plot  of  the  filter's  phase  response.  The 
phase  response  of  the  system  determines  the  Group 
Delayofthe  filter. 


Group  Delay 


"  2ir  ( 


Thus  a  linear  phase  response  implies  a  constant  group  delay .  The 
phase  response  plot  shown  exhibits  some  slight  nonlinearity. 
This  is  as  expected  for  a  Butterworth  filter  function.  If  phase  re- 
sponse is  an  important  design  consideration,  a  different  filter 
function  should  be  considered,  eg. ,  Bessel.  (References  1  and  2.) 

PERFORMANCE  EXTENSION 

1.  The  frequency  range  of  this  filter  can  be  extended  to 
100kHz,  using  Design  1,  by  simply  replacing  the  220pF 
capacitors  in  each  stage  by  110pF  capacitors.  Stop- 
band  attenuation  of  85dB  and  passband  ripple  of  less 
than  0.2dB  is  achieved  over  the  full  range. 

2.  A  Chebychev  response  can  be  achieved  by  using  dif- 
ferent values  of  R1  and  R2  in  each  stage.  R1  and  R2can 
be  evaluated  by  solving  Equations  (3)  and  (4)  for  the 
values  of  Q  given  in  Figure  8.  Figure  8  gives  the  cutoff 
frequency  f0  and  Q  for  each  stage  of  a  0.2dB  ripple  8th 
Order  Chebychev  Filter.  It  should  be  noted  that  for  a 
Chebychev  filter  the  cutoff  frequency  of  each  stage  is 
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Figure  7.  IBM  PC  A  T/XT Digital  Interface 
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not  the  same  as  the  overall  filter  cutoff  frequency,  as 
was  the  case  with  the  Butterworth  filter.  The  remainder 
of  the  design  proceedure  is  the  same  as  that  outlined 
for  the  Butterworth  filter.  An  IBM  Basic  program  for 
this  Chebychev  filter  is  given  in  Table  A2,  Appendix  1 . 
This  program  tunes  each  individual  stage  to  its  particu- 
lar cutoff  frequency  so  that  a  specified  overall  filter 
cutoff  frequency  is  achieved. 

3.  Programmability  over  filter  type  (i.e.,  Butterworth, 
Chebychev,  Bessel,  etc.)  as  well  as  cutoff  frequency 
can  be  achieved  by  replacing  R1  and  R2  of  each  stage 
by  an  AD7537.  This  gives  us  total  software  control  over 
all  the  filter  parameters. 

CONCLUSION 

Filtering  in  the  analog  domain  has  many  inherent  advan- 
tages over  filtering  in  the  increasingly  popular  digital 
domain.  Analog  filtering  is  a  continuous  time  process 
whereas  digital  filtering  is  a  sampled  data  process.  Digital 
filters  require  extensive  software  routines  to  implement 
such  algorithms  as  FIR  and  IIR  filters.  The  analog  filter  util- 
izes digital  processing  power  to  control  the  filter  while 
giving  analog  performance. 


This  application  note  deals  with  the  IBM  PC  AT/XTor  com- 
patible as  the  digital  controller  for  the  analog  filter.  The  fil- 
ter could  equally  be  controlled  using  any  other  micropro- 
cessor. Suggested  microprocessor  interfaces  are  given  in 
the  AD7537,  AD7547  and  AD7549  data  sheets. 
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Figure  8.  Block  Diagram  of  8th  Order  Chebychev  Filter 
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40    INPUT  "F0  (kHz)  (500Hz....  48kHz)  =  ";FO 

50    F0  =  F0*1000 
60  PRINT 

70    INPUT"RDAC(Kohms)(14KTYPlCALLYI  =";RDAC 
80    RDAC  =  RDAC*1000 
90  PRINT 

100  INPUT  "RPAD(Kohms)  (0  FOR  DES.  1 , 1 00K  FOR  DE5.2)  =";RPAD 
110  RPAD  =  RPAD*1000 
120  PRINT 

130  INPUT  "C(pFarads)  (220pF  FOR  DES.1 , 22pF  FOR  DES. 2)  =";C 

140  C  =  C»1E-12 

150  REQ=  1/2/22*7/FO/C 

160  N  =  4096*(RPAD  +  RDAC)/REQ 

170  PRINT  =  ";HEX$(N);"H" 

180  PRINT  "CODE 
190  N  =  INT(N) 
200  N1  =  INT(N/256)'  MSB 
210  N2  =  N-N1*256  '  LSB 
220  ADDR  =  &H300 
230  FORC=0TO3 
240  OUT  ADDR,  N2 
250  OUTADDR+1.N1 
260  OUTADDR  +  2.N2 
270  OUTADDR  +  3.N1 
280  ADDR  =  ADDR  +  4 
290  NEXTC 

300  OUT&H310.0 'UPDATE  DACS 
310  END 

Table  A  7.  IBM  Basic  Program  for  8th  Order  Butterworth  Filter 

10  CLS 

20    PRINT"8th-Order  Low-Pass  Chebychev  Filter" 
30  PRINT 

40    INPUT'TO(KHz)  =";FO 
50    F0  =  F0»1000 
60  PRINT 

70    INPUT"RDAC(Kohms)  (14K TYPICALLY)  =  ";RDAC 

80    RDAC  =  RDAC*1000 
90  PRINT 

100  INPUT  "RPAD(Kohms)  (0  FOR  DESIGN  1)  =";RPAD 
110  RPAD  =  RPAD*1000 
120  PRINT 

130  INPUT  "CIpFarads)  (220pF  FOR  DES.  1)  =";C 
140  C  =  C*1E-12 
150  FORI=0TO3 
160  READX 
170  FC  =  X*FO 
180  REQ=1/2/22*7/FC/C 
190  N  =  4096*(RPAD  +  RDAC)/REQ 
200  PRINT 

210  PRINT  "CODE"  ;l;"  =  ";HEX$(N);"H" 

220  N  =  INT(N) 
230  N1  -INTIN/256)  '  MSB 
240  N2-N-NT256  '  LSB 
250  ADDR  =  &H300 
260  ADDR  =  ADDR  +  1*4 
270  OUT  ADDR,  N2 
280  OUTADDR+  1,N1 
290  OUT  ADDR  +  2,N2 
300  OUTADDR  +  3.N1 
310  NEXTI 

320  OUT&H310,0'UPDATEDACS 
330  END 

340  DATA1.02,.878,.623,.343 


Table  A2.  IBM  Basic  Program  for8th  Order  Chebychev  Filter 
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APPENDIX  2 


REF  LEVEL  /DIV 
OOOOdBm  lOOOOdB 


REF  LEVEL  /DIV 
OOOOdBm  10-OOOdB 


100 

START  50.000Hz 


10k  100k 
STOP  1  000  OOO.OOOHz 


100  1k 
START  50.000Hz 


10k  100k 
STOP  1  000  OOO.OOOHz 


Figure  A 1.  Amplitude  Response  of  Butterworth  Filter  for 
Various  Cutoff  Frequencies  Using  Design  1 


Figure  A2.  Amplitude  Response  of  Butterworth  Filter  for 
Various  Cutoff  Frequencies  Using  Design  2 


REF  lO.OdBm 
10dB  DIV 


MARKER 40  986  3Hz 
RANGE  IQ.OdBM  -54.8dBM 




1 

1  , 

w^f  F^i"Tiri»«inip 

vpww*«II|»1W|PJI 

START  50.000Hz 
RBW  100Hz 


STOP  150     000  0Hz 
ST  30.0  SEC 


0° 


REF  LEVEL  /DIV 
O.Odeg  45.000deg 


k  fo  =  15kHz 

START  50.000Hz 


STOP30  000  000Hz 


Figure  A3.  Noise  Spectrum  of  Filter 


Figure  A4.  Typical  Phase  Response  of  Butterworth  Filter 
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Improve  Function  Generators  with  Matched  D/A  Converters 

by  Paul  Toomey 

With  a  pair  of  precisely  matched  8-bit  CMOS  DACs  in  one  IC, 
you  can  create  inexpensive  circuits  that  digitally  control 
high-precision  analog  waveforms. 


;  the  AD7528,  a  low-cost  IC  containing  two  8-bit 
CMOS  multiplying  DACs,  you  can  design  a  variety  of 
signal-generation  circuits  for  audio,  computer-graphics 
and  process-control  applications.  These  designs,  which 
require  a  pair  of  closely  matched,  tightly  tracking  D/A 
converters,  have  heretofore  proved  impractical  to 
produce  because  the  selection  and  testing  necessary  to 
match  the  DACs  has  made  them  quite  expensive. 

Three  useful  circuits — a  programmable  sine-wave 
oscillator,  a  function-fitting  sine-wave  synthesizer  and 
a  triangle/rectangle-wave  generator — clearly  demon- 
strate the  7528's  design  potential.  Each  circuit  is 
digitally  controlled;  therefore,  before  considering  the 
specific  designs,  you  should  examine  interfaces  for 
widely  used  microprocessors. 

To  that  end,  note  that  the  AD7528's  two  on-chip  8-bit 
latches  and  control  inputs  (CS,  WR  and  DAC  Select) 
are  logic-level  and  speed  compatible  with  most  p.Ps. 
Data-hold  time,  often  a  problem  in  applications  using 
members  of  the  6800  family,  equals  zero.  Fig  la  shows 
an  interface  to  a  6800-based  system,  while  Fig  lb 
details  the  connections  for  an  8085-based  system. 

Use  dual  DACs  as  ganged  potentiometers 

With  this  background  information,  turn  to  the  dual 
DACs  applications.  You  can  control  the  frequency  of 
many  oscillator  circuits  by  using  two  ganged  potentiom- 
eters, provided  that  the  pots  track  precisely  over  their 
full  resistance  range.  Fig  2's  high-performance  sine- 
wave  oscillator  is  a  state- variable  filter  design  in  which 
an  AD7528  acts  as  a  pair  of  digitally  controlled  matched 
resistors  to  replace  the  ganged  potentiometer.  The 
equivalent  resistance  of  each  DAC,  as  seen  by  op  amps 
A2  and  A3,  varies  from  infinity  at  input  code  00H  to  a 
minimum  of  10  kft  (the  DAC  ladder  resistance)  at  FFH. 

Because  the  same  code  is  loaded  into  each  DAC,  the 
expression  for  the  output  frequency  (in  hertz)  becomes 
f=N/256(2nRC),  where  N  is  the  DAC  code  (base  10),  R 
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Fig  1 — Minimal  interface  logic  is  required  when  you 
combine  the  AD752B  dual  DAC  with  widely  used  pPs  such 
as  the  6800  (a)  and  8085  (b)  because  trie  chip  contains  two 
B-bit  data  latches. 
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Summing  resistors  are  critical 
to  function  fitter's  performance 


is  the  DAC  ladder  resistance  and  C  is  the  feedback 
capacitance  for  A2  and  A3.  For  the  circuit  values  shown 
in  Fig  2,  output  frequency  varies  from  0  to  15  kHz  in 
steps  of  approximately  60  Hz,  with  an  amplitude  of 
about  20V  p-p.  Total  harmonic  distortion  measures  -53 
dB  at  1  kHz  and  -43  dB  at  14  kHz. 

Combine  multiplication  and  function  fitting 

Function  fitting  translates  a  mathematical  or  empiri- 
cal relationship  from  one  medium  (such  as  a  mathemati- 


cal formula)  to  another  (usually  a  physically  realizable 
device  or  system).  By  taking  advantage  of  the  multiply- 
ing capabilities  of  the  AD7528's  two  CMOS  DACs,  you 
can  use  this  technique  to  synthesize  extremely  low- 
frequency,  highly  stable  sine  waves.  For  example,  in 
Fig  3a's  design,  the  IC  implements  a  1-quadrant  sin  X 
approximation  in  the  form  of  the  quadratic  polynomial 
Y=1.828N-0.828N2,  where  0<N<1  and  N=(2/ir)X. 
(See  Appendix  for  the  derivation  of  this  equation.)  By 
ramping  N  up  and  down  and  strategically  switching  the 


Identical  twins 

The  AD7528  contains  two  8-bit 
CMOS  multiplying  current-output 
D/A  converters,  each  with  its  own 
8-bit  latch.  Because  both  DACs 
are  fabricated  at  the  same  time  on 
the  same  chip,  they  have  virtually 
the  same  R/2R-ladder  character- 
istics, and  these  characteristics 
track  extremely  closely  as  the 
supply  voltage  varies  and  the 
ambient  temperature  changes. 


Data  inputs  to  the  AD7528's 
on-chip  latches  share  a  common 
input  data  bus;  you  control  the 
data  flow  with  the  DACa/DACb 
latch-select  input.  Each  section  of 
the  IC  provides  its  own  analog 
reference  and  feedback  inputs,  so 
you  can  operate  the  DACs  inde- 
pendently. Channel-to-channel 
isolation  typically  measures  -77 
dB  at  100  kHz. 


Settling  time  varies  with  supply 
voltage.  After  a  digital  input 
change,  the  analog  output  settles 
to  within  90%  of  its  final  value  in 
80  nsec  with  a  15V  supply;  with  a 
5V  supply,  settling  occurs  in  270 
nsec.  Regardless  of  the  supply 
voltage,  though,  the  AD7528  typi- 
cally draws  just  1  mA. 

For  more  information  on  the 
AD7528,  Circle  No  750. 
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f  the  AD752B's  two  CMOS  multiplying  DACs  yields  virtually  identical  RI2R-ladder  characteristics. 
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Fig  2 — DACa  and  DACB  act  as  matched,  digitally  controlled  resistors,  replacing  a  ganged  precision  potentiometer,  in  this 
state-variable-filter-based  programmable  sine-wave  oscillator. 


output  polarity,  the  circuit  generates  sin  X  in  four 
stages  (Fig  3b). 

Specifically,  an  input  square-wave  clock  drives  a 
counter  that  counts  up  and  down  continuously,  provid- 
ing a  Borrow  output  pulse  every  time  it  reaches  the 
all-ZEROs  count.  In  turn,  DACA  produces  a  triangle 
wave  consisting  of  two  ramps  of  opposite  slope,  each 
generated  in  256  steps  of  op  amp  A]'s  output.  This  is  the 
analog  N  variable. 

To  produce  the  analog  N2  variable,  DACB  multiplies 
N's  digital  version  by  its  analog  version.  Op  amp  A2 
inverts  the  product  signal,  producing  —  N2.  Then 
amplifier  A3  sums  the  two  variables  in  the  correct  1.828 
and  0.828  weighting,  as  determined  by  RA  and  RB,  to 
produce  the  Y  signal.  A  smooth  sine  wave  results  when 
op  amp  Ai  switches  the  circuit's  output  polarity  to 
generate  properly  timed  positive  and  negative  signals. 

Distortion  in  the  output  sine  wave  is  a  function  of  the 
quadratic-approximation  fit  to  the  sine  curve.  There- 
fore, the  values  of  RA  and  RB  are  critical  to  proper 
circuit  operation.  Measured  distortion  for  Fig  3's  circuit 


values  is  -35  dB;  it  remains  constant  over  the  0  to 
2500-Hz  range,  as  does  the  output  amplitude. 

If  you  want  to  sweep  the  circuit's  output  frequency, 
you  can  do  so  rapidly  by  varying  the  input  clock  rate. 
The  counter's  Borrow  output  provides  a  valuable 
zero-crossing  pulse  in  such  use.  Additionally,  by 
applying  an  ac  signal  to  DACa's  reference  input,  you 
can  amplitude-modulate  the  output  sine  wave. 


Generating  triangles  and  rectangular  pulses 

Certain  applications  require  triangular  or  rectangu- 
lar waveforms  in  which  you  can  program  the  period  of 
each  half  cycle.  For  example,  the  former  serve  as  sweep 
signals  in  vector-scan  CRT  displays  to  generate 
variable-length  vectors.  The  design  depicted  in  Fig  4 
serves  such  requirements  extremely  well. 

In  operation,  DACA  defines  the  ramp  rate  for  the 
triangle's  positive  slope;  DACB,  the  rate  for  the 
negative  slope.  Comparators  Ai  and  As  sense  the 
integrator's  output,  driving  gates  Gi  and  G2  when  the 
level  reaches  +10  or  -10V.  These  gates  act  as  an  RS 
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Fig  3 — The  multiplying  capability  of  the  AD7S28  gets  used  to  a  result,  DACB  outputs  an  analog  signal  equal  to  N2.  Resistors  R» 

advantage  In  this  function-fitting  sine-wave  generator  (a).  The  and  RB  relate  to  the  quadratic  polynomial  that  approximates  the 

digital  representation  of  N  is  DACB's  input  word,  while  the  analog  1  -quadrant  sin  X  function;  they  must  be  stable  and  accurate  to 

representation  of  N  drives  the  DAC's  analog  reference  input.  As  achieve  minimum  distortion  (b). 
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flip  flop  to  select  the  output  of  the  appropriate  DAC  via 
analog  switches  SWi  and  SW2. 

The  arrangement  shown  lets  you  use  high-speed 
switches,  such  as  types  CD4016  or  AD7592,  without 
introducing  significant  glitches  at  the  DAC  changeover. 
Furthermore,  you  can  update  one  DAC  from  the  data 
bus  and  allow  it  to  settle  while  using  the  second  DAC  to 
generate  the  ramp  signal.  The  flip-flop  output  automat- 
ically connects  the  "unused"  DAC  to  the  data  bus  for 
further  data  updating  if  necessary.  You  can  also  use  the 
output  to  drive  the  interrupts  of  a  liP. 

Calculate  the  period  of  the  waveforms  generated  by 
this  circuit  from  the  expression 

T=512RC((1/NA)+(1/NB)), 
where  NA  and  NB  are  the  DACA  and  DACB  codes  (1  to 
256),  respectively. 

If  the  latches  for  both  DACs  contain  the  same  code, 
the  expression  for  T  is  simplified: 
T=1024RC/N 
or  f=N/1024RC  (in  hertz). 
The  mark-to-space  ratio  of  the  rectangular  wave  equals 
Nb/Na. 

Note  one  caution  regarding  Fig  4's  circuit.  If  the  code 
in  either  DAC  becomes  all  ZEROs,  the  integrator  input 
voltage  becomes  zero,  and  the  circuit  stops  oscillating. 
If  this  condition  can  occur  in  your  application,  connect  a 
10-Mfl  resistor  from  each  DAC's  Vref  terminal  to  its 
output  terminal.  This  provision  produces  sufficient  bias 
current  to  keep  the  circuit  oscillating,  yet  it  doesn't 
significantly  affect  frequency  calculations,  adding  only 
y4-LSB  error  into  each  DAC  output. 


Appendix 


The  expression  to  approximate  sin  X  (OsXs-n/2)  has  the  form 
Y=AX+BX2, 

where  A  and  B  are  constants.  You  can  evaluate  these 
constants  as  follows: 

Replace  X  (OsXsir/2)  with  N  (OsN^l),  where  N=(digital 
code)/256.  Next,  substitute  values  for  Y  and  N  at  two  points 
along  the  sine  curve: 

(a)  X=tt/2,  ie,  N=i  sin(ir/2)=l 
(b)  X=W4,  ie,  N=0.5:  sin(ir/4)=0.7071. 
This  substitution  produces  two  equations: 
1=A(\)+B(iy 
0.7071=A(y2)+B(y2)2. 
Solving  these  equations  simultaneously  for  A  and  B  yields 
A=1.828and  B=0.828. 

Thus,  the  corresponding  values  for  RA  and  RB  in  Fig  3a  are 
RA=5.5  k(l  and  RB=12.7  Ml  for  unity  gain. 
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Fig  4— You  can  update  one  DAC  and  allow  It  to  settle  while  using  the  second  DAC  to  generate  a  ramp  in  this  programmable 
waveform  generator.  Oscillation  stops  if  either  DAC  has  an  all-ZEROs  input  code,  however.  If  this  is  a  problem  In  your  application, 
connect  a  10-MSl  resistor  between  each  DAC  s  Vref  and  output  terminals. 
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Circuits  for  Single  Supply  Systems 

by  John  Wynne 


This  application  note  presents  a  brief  review  of  two- 
phase  permanent  magnet  stepper  motors  and  outlines 
some  of  the  issues  involved  in  microstepping.  The  static 
position  errors  introduced  by  the  DACs  and  by  load 
torque  are  described  and  the  merits  of  closed-loop  ver- 
sus open-loop  control  discussed.  Two  practical  circuits 
are  presented  which  use  positive-only  power  supplies 
(  +  5V  and  +12V),  a  situation  common  in  both  floppy  and 
low  density  hard  disk  drives. 

SOME  BASICS  OF  THE  TWO-PHASE  PM  STEPPER 
MOTOR 

In  a  permanent  magnet  stepper  motor  torque  is  gener- 
ated by  the  interaction  of  two  magnetic  fields,  the  stator 
field  and  the  rotor  field.  The  stator  field  is  generated  by 
current  flowing  in  the  phase  windings;  the  rotor  field  is 
due  to  the  permanent  magnet  pole  pairs  arranged  radi- 
ally on  the  rotor.  A  two-phase  stepper  motor  has  two 
phase  windings,  A  and  B,  separated  by  90  electrical 
degrees,  each  phase  having  two  possible  current  direc- 
tions, positive  and  negative.  Assuming  only  one  phase  is 
turned  on  at  any  one  time,  the  stator  field  can  have  one 
of  four  possible  orientations.  The  rotor  field,  and  hence 
the  rotor,  will  align  itself  with  respect  to  the  stator  field 
at  the  one  position  where  the  field  vectors  are  in 
equilibrium. 


Exactly  how  the  magnetic  fields  interact  to  produce 
torque  can  easily  be  seen  from  the  ideal  static  torque 
versus  rotor  displacement  curve  of  Figure  1.  This  is  gen- 
erated by  energizing  a  single  phase  and  rotating  the 
rotor  by  hand. 

The  convention  used  in  Figure  1  is  that  a  movement  to 
the  right  corresponds  to  a  clockwise  rotation  of  the  rotor 
while  a  positive  torque  in  the  figure  represents  a  clock- 
wise torque  developed  on  the  rotor.  The  torque  output 
can  be  seen  to  be  a  sinusoidal  function  of  the  electrical 
angle  4>  between  the  field  vectors  or: 


T=-K  I  Sin* 


(1) 


Figure  1.  Static  Torque  vs.  Rotor  Displacement  for  an 
Ideal  Stepper  Motor 


where  K  is  a  motor  constant  and  I  is  the  phase  current. 
The  maximum  torque  Tmax  exerted  on  the  rotor  occurs 
when  the  angle  between  the  rotor  and  stator  field  vec- 
tors equals  90  electrical  degrees.  With  maximum  rated 
current  lR  flowing,  this  maximum  torque  is  known  as  the 
peak  static  torque  or  simply  the  holding  torque,  i.e., 
Th(iax  =  KIR  which  is  a  constant  for  a  given  motor.  The 
minus  sign  in  the  torque  expression  indicates  that  the 
position  of  stable  equilibrium  occurs  on  the  negative 
slope  of  the  torque  curve.  If  the  rotor  is  moved  in  a 
clockwise  direction,  a  counterclockwise  torque  is  devel- 
oped to  return  the  rotor  to  its  stable  or  step  position.  A 
similar  situation  exists  if  the  rotor  is  moved  in  a  counter- 
clockwise direction.  Thus  a  constant  phase  excitation 
provides  one  stable  rotor  position  every  360  electrical 
degrees.  If  the  phase  excitation  is  reversed,  a  new  stable 
position  will  be  established  midway  between  these  orig- 
inal positions,  i.e,  at  180  degrees.  In  a  two-phase  motor, 
the  two-phase  windings  are  physically  separated  by  90 
electrical  degrees,  hence  stable  rotor  positions  will  occur 
at  every  90  electrical  degree  rotation  of  the  stator  field.  A 
two-phase  PM  stepper  will  therefore  move  four  full  steps 
for  every  360  electrical  degree  rotation  of  the  stator  field 
vector. 

The  number  of  pole  pairs  N  determines  the  relationship 
between  a  stator  field  vector  shift  of  a  electrical  degrees 
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and  the  resulting  rotor  movement  of  B  mechanical 
degrees; 

a  =  N8  (2) 
The  full  step  mechanical  angle  is  therefore 

9FS=ir/2N  (3) 

For  instance  a  rotor  magnetized  with  25  pole  pairs  will 
have  a  mechanical  step  angle  of  3.6°.  Figure  2  shows  the 
complete  static  torque  versus  rotor  position  curves  for  a 
two-phase  permanent  magnet  stepper  motor  with  each 
phase  excited  in  turn.  Stable  equilibrium  positions  for 
the  rotor  exist  at  the  full  step  positions,  tt/2N,  tt/N,  3tt/2N 
and  2-rr/N.  A  full  step  rotation  of  the  rotor  results  from  a 
shift  in  the  stator  field  vector  of  90  electrical  degrees. 
The  basic  sequence  for  a  two-phase  motor  of  4  full  steps 
for  one  full  revolution  (360  electrical  degrees)  of  the 
stator  field  vector  is  obvious  from  Figure  2. 
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Figure  2.  Static  Torque  vs.  Rotor  Position  Curves  for  a 
Two-Phase,  PM  Stepper  Motor 

SOME  MICROSTEPPING  BASICS 

In  Figure  2  at  rotor  position  0,  phase  A  current  is  positive 
and  equal  to  its  maximum  rated  value  lR;  phase  B  cur- 
rent is  zero.  At  rotor  position  u/2N,  phase  B  current  is 
positive  and  equal  to  its  maximum  rated  value  lR  while 
phase  A  current  is  zero.  By  correctly  choosing  and  con- 
trolling the  ratio  of  phase  A  current  to  phase  B  current  it 
is  possible  to  generate  a  stable  equilibrium  position  any- 
where between  the  stable  full  step  positions.  Figure  3  is 
a  vector  representation  of  the  two-phase  currents,  lA  and 
lB,  where  only  the  first  step  from  the  sequence  of  four  in 
Figure  2  is  represented. 


Figure  3.  Vector  Representation  of  Phase  Currents 
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From  Figure  3  the  angular  position  of  the  stator  field 
vector,  and  hence  the  rotor  position,  is  proportional  to 
the  phase  currents: 


a  =  Arc  tan  (lB/lA) 


(4) 


In  a  practical  circuit  dual  digital-to-analog  converters 
(DACs)  set  the  required  phase  current  magnitudes  while 
pulse  width  modulator  (PWM)  controllers  ensure  the  set 
levels  are  met  and  maintained  in  the  windings.  The  max- 
imum number  of  current  ratios  or  microsteps  possible  is 
determined  by  the  resolution  n  of  the  DACs,  i.e.,  maxi- 
mum number  of  microsteps  =  2".  In  practise  the  num- 
ber of  microsteps  used  is  usually  an  integer  power  of  2, 
i.e..  8,16,32,  etc.  There  are  advantages  to  using  DACs 
whose  resolution  exceeds  the  minimum  resolution  nec- 
essary to  generate  the  required  number  of  microsteps. 

Not  alone  is  it  necessary  to  choose  the  correct  ratios  of 
phase  currents  for  each  new  microstep,  but  it  is  also 
necessary  to  ensure  that  the  holding  torque  due  to  the 
combined  phases  remains  constant  and  equal  to  the 
holding  torque  obtained  with  full  rated  current  in  a  sin- 
gle phase,  i.e.,  from  Figure  3 


= Constant 


(5) 


If  this  condition  is  not  met,  it  is  possible,  with  a  purely 
friction  load,  to  have  a  different  position  error  at  each 
microstep.  This  is  discussed  later. 

The  torque  output  generated  by  the  two  motor  phases 


TA  =  -KIA  Sin* 

TB  =  -KIB  Sin  (d>  — rr/2) 

or  TB  =  KIB  COS  <t> 


(6) 


(7) 


To  move  the  rotor  by  0  mechanical  degrees  (or  the  stator 
field  vector  by  Ne  electrical  degrees)  it  is  necessary  to 
vary  the  phase  currents  in  a  cosinusoidal  fashion: 

lA  =  lR  CosNB  (8) 

lB  =  lR  SinNe  (9) 

In  an  ideal  motor  both  torque  contributions  can  be 
added  to  provide  the  total  torque: 

"•"tot  =  TA  +  TB 

=  -KIR  CosNe  Sincfj  +  KIR  SinNe  Cos* 

=  -KIR  (Sin<t>  CosNB  -  Cos*  SinNe) 

Ttot  =-KIRSin  (d)-N8)  (10) 

If  the  stable  torque  equilibrium  position  is  moved  by  NB 
electrical  degrees,  the  rotor  will  follow  it  by  moving  e 
mechanical  degrees  to  where  the  torque  exerted  on  the 
rotor  is  zero.  Varying  the  phase  currents  in  a  sine-cosine 
relationship  provides  the  required  microstep  movement 
of  the  stator  field  vector  and  ensures  a  constant  stator 
field  vector  magnitude  (or  holding  torque)  at  each 


microstep  position. 


STATIC  POSITION  ERRORS 

Microstepping  accuracy  depends  on  how  closely  equa- 
tions 6-10  can  be  realized  in  practise  with  a  real  motor. 
The  perfectly  sinusoidal  static  torque  vs.  rotor  displace- 
ment curve  exhibited  by  an  ideal  motor  can  be  upset  by 
a  number  of  factors  such  as  the  presence  of  detent 
torque,  a  nonlinear  relationship  between  torque  and  en- 
ergizing current,  by  nonidentical  static  torque  vs.  angu- 
lar displacement  curves  for  Phase  A  and  Phase  B,  etc.  It 
is  worthwhile  analyzing  the  positional  errors  which  can 
be  caused  by  the  PWM  controllers  and  the  DACs. 

PHASE  GAIN  ERRORS 

One  of  the  most  common  causes  of  inaccuracies  in  mi- 
crostepping is  unequal  maximum  torque  contributions 
from  both  phases.  This  can  be  due  to  the  motor  itself,  to 
mismatch  in  the  PWM  controllers  (for  instance,  due  to 
different  values  of  sense  resistors)  or  to  mismatch  in  the 
DAC  outputs  (for  instance,  different  gain  errors).  The 
torque  expressions  (Equations  6  and  7)  can  be  rewritten 


to  include  a  phase  gain  error: 
TA  *  —  KIA  Sinc)> 
TB  =  (1  +  M)  KIBCos<|> 
where  lA  =  lR  CosNe 
lB  =  l„  SinNe 


■ 

(11) 
(12, 
(8) 
(9) 


and  M  is  the  mismatch  between  phases.  The  stable  rotor 
position  occurs  when  TA  +  TB  =  0: 

—  KIR  CosNe  SincJ>  +  (1  +M)  KIRSinN6  Cos*  =  0  (13) 


or  tan  cj>  =  (1  +  M)  tan  N8 

or  *  =  Arc  tan[  (1+M)  tan  N8] 


(14) 
(15) 


For  an  ideal  motor  at  its  stable  rotor  position  d>  =  Ne. 
The  difference  between  4>  and  Ne  at  the  stable  rotor 
position  indicates  positional  error: 

<)>  -  N6  =  Arc  tan  [(1+M)  tan  N6  ]  -  N6  (16) 
Equation  16  is  plotted  in  Figure  4  for  two  phase  gain 


Figure  4.  Microstepping  Positional  Error  Due  to  Phase 
Gain  Errors 


error  values  of  1%  (M  =  0.01)  and  5%  (M  =  0.05).  The 
horizontal  axis  of  Figure  4  is  the  rotor  position  in  electri- 
cal degrees.  Maximum  error  occurs  at  the  half-step  po- 
sition. For  example,  in  a  system  with  sixteen  microsteps 
per  full  step,  a  phase  gain  mismatch  of  5%  results  in  a 
microstep  position  error  of  nearly  25%. 

ERRORS  DUE  TO  DAC  RESOLUTION  AND  ACCURACY 

From  before,  the  angular  position  of  the  rotor  is  propor- 
tional to  the  ratio  of  phase  currents 

a  =  Arc  tan  (lB/lA)  (4) 

The  locus  of  ideal  phase  current  ratios  required  to  mi- 
crostep the  rotor  between  two  full-step  positions  lies 
along  the  quarter  circle  in  Figure  3.  However,  due  to  the 
finite  resolution  of  the  DACs  in  a  practical  system,  it  is 
not  possible  to  choose  the  ideal  current  ratios  required 
at  each  microstep  to  exactly  track  the  circular  locus. 
Consequently,  the  DAC  finite  resolution  introduces  an 
angular  error  in  the  different  positions  of  the  current 
vector.  The  angular  error  at  each  microstep  can  be  ex- 
pressed as 

S„  =  Arc  tan  (lB/lfl)  -o(Microstep  (17) 

where  aMICROSTEP  is  the  ideal  microstep  size  in  any  given 
system.  For  example.  Figure  5  compares  the  percentage 
angular  errors  generated  by  two  different  resolution 
DACs  (6-bits  and  8-bits)  for  a  system  with  8  microsteps 
per  full  step  (i.e.,  otM|CROSTEP=  9078  =  11.25°).  Figure  5a 
shows  that  the  limited  resolution  available  with  a  6-bit 
DAC  can  contribute  almost  5%  angular  error  to  the  mi- 
crostep position;  whereas  with  an  8-bit  DAC,  Figure  5b, 
the  errors  are  approximately  an  order  of  magnitude  less. 
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Figure  5a.  Percentage  Angular  Error  for  8-Microstep 
System  Using  Ideal  6-Bit  DACs 
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Figure  5b.  Percentage  Angular  Error  for  8-Microstep 
System  Using  Ideal  8-Bit  DACs 
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The  graphs  of  Figure  5  assume  the  DACs  have  no  inte- 
gral linearity  errors.  If  the  DACs  are  assumed  to  be  ac- 
curate to  their  resolution  level,  i.e.,  the  6-bit  DACs  are  6 
bits  accurate  (±0.8%)  and  the  8-bit  DACs  are  8  bits  accu- 
rate (±0.2%),  the  errors  increase  over  the  previous  case. 
Figure  6  repeats  the  comparsion  using  such  DACs.  Max- 
imum angular  error  using  a  6-bit  accurate  DAC  can  now 
be  up  to  10%. 
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Figure  6a.  Percentage  Angular  Error  for  8-Microstep 
System  Using  6-Bit  Accurate  DACs 
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Figure  6b.  Percentage  Angular  Error  for  8-Microstep 
System  Using  8-Bit  Accurate  DACs 

EFFECT  OF  LOAD  TORQUE 

One  of  the  most  significant  error  sources  in  a  microstep- 
per  positioning  application  is  load  torque  TL.  The  effect 
of  load  torque  can  be  seen  from  the  typical  static  torque 
vs.  rotor  position  curve  in  Figure  7. 

With  no  load,  the  rotor  is  at  rest  at  position  0.  Applying  a 
clockwise  load  torque  TL  to  the  rotor  will  move  the  rotor 
to  a  new  rest  position,  a  position  at  which  the  applied 
clockwise  torque  TL  is  balanced  by  the  anticlockwise 
torque  developed  by  the  motor.  The  rotor  displacement 
between  the  two  rest  positions  is  the  step  position  error 
Be.  This  can  be  expressed  as 

Arc  Sin  (-Tl/THmax) 


9e= 


N 


(18) 


For  a  given  load  torque  the  step  position  error  is  in- 
versely proportional  to  the  number  of  pole  pairs  on  the 
rotor  and  to  the  maximum  holding  torque  available. 
Increasing  the  number  of  pole  pairs  decreases  the  full 
step  size  thereby  increasing  the  slope  of  the  static  torque 
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Figure  7.  Static  Position  Error  Due  to  Load  Torque 

vs.  rotor  displacement  curve  over  that  obtainable  with  a 
bigger  step  size  motor.  For  two  motors  with  equal  load 
torque  and  holding  torque  but  with  different  step  sizes 
the  steeper  slope  will  result  in  smaller  step  position 
errors.  However,  not  alone  do  motor  costs  obviously 
increase  with  smaller  step  size,  but  so  too  does  the  static 
torque  vs.  displacement  curve  depart  from  the  ideal  si- 
nusoidal relationship.  Specialist  motors  are  available 
from  manufacturers  which  have  been  deliberately  opti- 
mized for  microstepping  during  manufacture. 

The  other  option  for  reducing  step  position  error  indi- 
cated by  Equation  18,  that  of  increasing  the  holding 
torque  (by  increasing  the  phase  currents),  is  not  avail- 
able when  microstepping  since  the  cosinusoidal  phase 
currents  ensure  the  exact  opposite  occurs,  i.e.,  that  the 
holding  torque  remains  constant  at  each  microstep. 
Thus,  when  microstepping,  the  maximum  holding 
torque  is  deliberately  restricted  to  equal  the  one-phase- 
on  torque,  not  the  higher  torque  which  normally  would 
be  available  with  two-phase-on  operation. 

CLOSED-LOOP  VS.  OPEN-LOOP  CONTROL 

Microstepping  improves  the  positioning  resolution  pos- 
sible in  any  control  application.  However,  the  positional 
accuracy  can  be  significantly  worse  than  that  offered  by 
the  original  full-step  accuracy  specification  due  primarily 
to  load  torque  effects.  To  ensure  that  the  increased  res- 
olution is  useable  it  is  necessary  to  change  from  a  nor- 
mally open-loop  system,  where  the  rotor  is  simply  di- 
rected to  move  so  many  microsteps,  to  a  closed-loop 
system  where  the  actual  movement  of  the  rotor  is  mon- 
itored and  any  residual  error  between  demanded  posi- 
tion and  actual  position  can  be  detected  and  subse- 
quently corrected.  The  correction  is  accomplished  by 
adjusting  the  ratio  of  the  phase  currents  to  pull  the  rotor 
into  the  demanded  position.  For  two  systems  with  the 
same  number  of  microsteps  per  full  step  (e.g.,  16,  32, 
etc.)  but  with  one  using  6-bit  DACs  and  the  other  8-bit 
DACs,  the  higher  resolution  available  from  the  8-bit 
DACs  offers  a  greater  number  of  current  ratios  to  be 
selected  allowing  a  more  accurate  final  rotor  position  to 
be  achieved.  Thus,  fine  positioning  with  high  accuracy 
can  be  achieved  with  microstepping  but  only  in  a  closed- 
loop  system. 
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PRACTICAL  CIRCUITS 

Two  typical  microstepping  drive  circuits  are  presented  in 
this  application  note.  Both  use  dual  8-bit  DACs  to  control 
the  phase  currents  and  a  single  8-bit  ADC  for  closed- 
loop  position  control.  The  first  circuit,  Figure  9,  uses  an 
AD7628  dual  DAC  and  an  AD7820  ADC.  The  AD7628  is 
identical  to  the  industry  standard  AD7528  but  offers  "in- 
compatibility (and  is  fully  specified)  at  a  +12V  power 
supply.  It  is  beyond  the  scope  of  this  application  note  to 
deal  in  any  detail  with  the  types  of  position/velocity 
transducers  which  are  used  to  monitor  movement  of  the 
head  assembly  in  disk  drives.  The  AD7820  half-flash 
8-bit  ADC  is  widely  used  for  converting  these  transducer 
output  signals  and  it  is  shown  in  block  diagram  form  in 
Figure  9.  For  example,  a  typical  transducer  might  be  an 
incremental  optical  encoder  with  quadrature  triangular 
output  waveforms  although  stepper  motors  are  now  be- 
coming available  (such  as  the  Portescap  P750)  which 
include,  in  addition  to  the  phase  windings,  integral  ve- 
locity windings  which  can  be  used  directly  to  obtain 
rotor  velocity  and  hence  position.  The  second  circuit. 
Figure  11,  uses  a  recently  released  device  from  Analog 
Devices,  the  AD7669,  which  contains  both  a  dual  8-bit 
DAC  and  an  8-bit  ADC. 

Typical  DAC  output  voltage  waveforms  and  associated 
direction  control  information  for  clockwise  rotation  are 
shown  in  Figure  8. 

The  "sine/cosine"  data  is  usually  held  in  look-up  tables 
in  the  controller.  The  rate  at  which  the  data  is  loaded  to 
the  DACs  obviously  determines  the  microstepping  rate. 
The  controller  also  supplies  the  direction  control  infor- 
mation required  by  the  H-bridge  power  driver.  The  out- 
put driver  used  in  both  circuits  is  the  UDN2998W,  a  dual 
H-bridge  driver  available  from  Sprague  Electric.  It  is 
packaged  in  a  12-pin  single-in-line  power  tab  package 
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Figure  8.  Typical  DAC  Output  Voltages  for  Micro- 
stepping.  Direction  Signals  Are  for  CW  Rotation  with 
UDN-2998W. 

for  high  current  capabilities  (+2A  continuous).  In  prac- 
tice, it  was  found  necessary  to  ground  the  power  tab  to  a 
quiet  ground  in  order  to  avoid  parasitic  oscillations. 

The  circuits  of  Figures  9  and  11  also  differ  from  each 
other  in  that  one  is  based  on  a  fixed  frequency  PWM 
technique  while  the  other  uses  a  frequency  modulation 
PWM  approach.  The  fixed  frequency  approach  allows  a 
synchronized  chopping  frequency  which  can  help  to  re- 
duce noise  on  the  power  supply  lines  and  ground  return 
paths.  The  frequency  modulation  approach  provides  a 
fixed-ripple  current  characteristic  leading  to  a  higher  ef- 
ficiency drive. 

FIXED  FREQUENCY  PWM  DRIVE 

The  complete  circuit  is  shown  in  Figure  9.  The  NE555 
timer  produces  short  (2.5lls)  low  level  pulses  at  a  repe- 
tition rate  of  approximately  45kHz.  This  is  high  enough 
to  avoid  audible  noise  and  low  enough  to  avoid  unnec- 
cessary  switching  losses.  These  negative  pulses  reset 
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Figure  9.  Fixed  Frequency  PWM  Drive 
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the  flip-flops  and  enable  the  phase  currents  via  the 
UDN2998W  dual  H-bridge  driver.  The  actual  value  of  the 
phase  currents  are  monitored  by  means  of  the  sense 
resistors  Rs,  and  RS2  between  the  emitters  of  the  output 
sink  drivers  and  ground.  The  voltage  signals  across  the 
sense  resistors  -  representing  the  phase  currents  —  are 
filtered  by  the  8.2k!l/lnF  combination  to  eliminate  noise 
spikes,  amplified  by  X3.2  across  lc,  a/b  and  compared 
with  the  DAC  control  voltages  by  lC2  a/b.  For  either  chan- 
nel, when  the  amplified  sense  voltage  exceeds  the  DAC 
control  voltage,  the  comparator  output  is  driven  low 
setting  the  flip-flop  and  turning  off  the  source  driver.  The 
phase  current  now  decays  slowly,  the  recirculation  path 
being  through  the  on-chip  ground-clamp  diode,  phase 
winding  and  output  sink  transistor.  The  current  will  con- 
tinue to  fall  until  the  next  pulse  resets  the  flip-flop  and 
the  sequence  is  repeated. 

The  lower  trace  of  Figure  10  shows  a  typical  output 
voltage  waveform  from  one  of  the  DACs.  The  waveform 
covers  two  full  steps  with  eight  microsteps  per  full  step. 
The  top  trace  is  the  amplified  sense  voltage  at  the  output 
of  the  corresponding  sense  amplifier.  The  vertical  axis  is 
1V/division.  The  horizontal  axis  is  uncalibrated  for  pho- 
tographic purposes,  but  the  time  for  eight  microsteps  is 
12.8ms.  The  motor  used  is  a  Portescap  P530  two-phase 
stepper  motor  with  a  full  step  size  of  3.6°.  It  is  intended 
for  0.45'  microstepping  -eight  microsteps  per  full  step 
-  resulting  in  a  total  of  800  microsteps  per  revolution. 
With  a  reference  voltage  of  ^2.5V  on  the  DACs  and  a 
sense  resistor  of  0.5!! ,  the  peak  current  is  (2.5/3.2)/0.5  or 
1.56A  which  is  equal  to  the  nominal  rated  current  for 
one-phase  on  operation. 
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Figure  10.  Circuit  Waveforms  for  Fixed  Frequency  PWM 
Circuit  of  Figure  9 

VOLTAGE-MODE  DACs 

The  AD7628  DACs  are  operated  in  what  is  known  as  a 
voltage-mode  or  voltage-switching  configuration.  The 
reference  voltage  is  applied  to  OUTA  and  OUTB  termi- 
nals of  the  AD7628,  and  the  output  is  taken  from  the 
Vrefa  ar|d  VREFB  terminals.  A  positive  reference  voltage 
gives  a  positive  output  voltage  —  hence  the  output  sig- 
nals are  voltages  (not  currents)  at  a  constant  source 
impedance  equal  to  the  ladder  resistance  and  can  be 
expressed  as 


where  DA  =  NA/256  and  DB  =  NB/256,  with  NA  and  NB  in 
hexadecimal  format  being  the  codes  supplied  to  DAC  A 
and  DAC  B  respectively.  This  mode  of  operation  is  virtu- 
ally free  of  gain  error,  hence  DAC  to  DAC  output  voltage 
matching  will  be  better  than  0.4%.  Close  matching  is 
important  in  open-loop  micropositioning  applications 
since  inequalities  between  the  maximum  values  of 
phase  currents  will  cause  positioning  errors. 

The  circuit  of  Figure  9  responds  to  DAC  output  voltages 
extending  from  VREF  down  to  and  including  0V.  An  op- 
erating range  which  includes  0V  is  important  in  applica- 
tions such  as  disk  drive  read/write  head  movement 
which  require  very  fine  positioning  indeed.  Such  sys- 
tems can  have  32,  64  or  more  microsteps  per  full  step 
producing  very  small  voltage  steps  around  0V.  These 
occur  when  the  rotor  position  is  close  to  a  full  step 
position.  Also  at  this  position  the  phase  with  the  least 
current  in  it  has  the  biggest  impact  on  the  positioning 
error. 

FREQUENCY  MODULATION  PWM  DRIVE 

By  removing  the  flip-flop  from  Figure  9  which  synchro- 
nizes  the  phase-on  times  with  a  master  clock  frequency, 
the  resultant  circuit  will  free-run  at  a  rate  determined  by 
the  response  of  the  loop  components  and  the  motor 
parameters.  This  circuit  is  shown  in  Figure  11. 

For  any  one  phase  assume  that  the  comparator  output  is 
high  indicating  that  the  phase  current  is  less  than  it 
should  be.  The  high  on  the  comparator  output  produces 
a  low  on  the  enable  input  of  the  H-bridge  and  turns  on 
the  phase  current.  The  phase  current  is  monitored  by  the 
sense  resistor,  filtered  and  amplified  before  being  com- 
pared with  the  control  voltage.  When  the  amplified 
sense  voltage  exceeds  the  DAC  control  voltage,  the 
phase  current  is  turned  off.  The  comparator  output  re- 
mains low  until  the  decaying  current  falls  sufficiently  to 
cause  the  comparator  output  to  go  high  again,  restarting 
the  cycle.  Although  both  phases  have  separate  loops,  in 
practice  the  chopping  frequencies  lock  together  avoiding 
any  beat  phenomena.  With  the  components  shown  in 
Figure  11,  and  again  using  the  Portescap  P530  stepper 
motor,  the  chopping  frequency  is  approximately  25kHz. 
It  should  be  possible  to  reduce  the  component  count  of 
Figure  11  by  replacing  the  dual  op  amp  and  quad  com- 
parator (half  of  which  is  used)  by  one  of  the  modern 
quad  op  amps  designed  for  single  supply  operation.  Due 
to  the  slower  response  time  of  the  op  amps  when  used 
as  comparators  the  chopping  frequency  will  drop  but  the 
circuit  should  still  operate  due  to  its  regenerative  nature. 

It  is  also  very  simple  to  add  an  extra  control  signal  to 
allow  the  phase  currents  to  be  turned  off  independent  of 
the  controller.  By  replacing  the  inverter  gates  shown  in 
Figure  11  with  NAND  gates,  the  spare  input  on  each 
NAND  gate  can  now  act  as  a  control,  high  for  normal 
operations;  low  for  emergency  stop. 
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F/gure  7  7.  Frequency  Modulation  PWM  Drive 


CONDITIONING 


The  top  trace  in  Figure  12  shows  the  amplified  sense 
voltage  at  the  output  of  one  of  the  sense  amplifiers.  The 
lower  waveform  shows  the  DAC  control  voltage  for  that 
phase.  To  allow  a  direct  comparsion  with  the  previous 
waveform  of  Figure  10  the  vertical  axis  of  Figure  8  is 
again  1V/division  with  an  identical  microstepping  rate  of 
1  microstep  per  1.6mS  or  8  microsteps  per  12.8mS.  The 
fixed-ripple  current  characteristic  of  the  drive  is  very 
obvious. 


Figure  12.  Circuit  Waveforms  for  Frequency  Modulation 
PWM  Circuit  of  Figure  7  7 

VOLTAGE  OUTPUT  DACs 

The  two  DACs  used  in  this  circuit  are  8-bit  voltage  DACs 
contained  on  the  monolithic  AD7669  die.  An  on-chip 
bandgap  voltage  reference  of  +1.23  (not  available  to 
users)  drives  both  DAC  inputs.  The  output  buffer  ampli- 
fiers of  each  DAC  are  configured  with  internal  X2  gains 
and  provide  unipolar  0  to  +  2.5V  outputs.  DAC-to-DAC 
full-scale  error  matching  is  better  than  ±0.4%.  As  men- 
tioned previously,  the  AD7669  also  contains  an  8-bit 
ADC.  The  ADC  input  voltage  range  matches  the  DACs' 
output  voltage  range  of  0  to  -+-2.5V  with  a  typical  DAC- 
to-ADC  gain  match  of  1%. 


MICROSTEPPING  RATE 

Outside  of  disk  drive  applications  where  microstepping 
is  used  to  position  the  read/write  head,  its  primary  at- 
traction is  the  extremely  smooth  single  step  response 
which  can  be  achieved  by  replacing  a  single  excitation 
change  with  a  number  of  smaller  amplitude  excitation 
changes.  Such  applications  are  inherently  low  speed  - 
below  100  rpm  -  since  at  higher  speeds  the  motor 
inertia  makes  the  rotor  rotate  smoothly  regardless  of 
whether  the  drive  is  microstep,  full  step  or  half  step.  In 
head  positioning  applications  in  disk  drives  motor  speed 
will  depend  on  whether  the  drive  is  in  the  seek  or  track 
mode.  In  the  seek  mode  where  the  head  is  moving  some 
distance  across  the  disk  surface,  highest  possible  speeds 
are  required  to  meet  the  velocity  profile.  In  the  track 
mode  where  the  head  is  tracking  a  selected  data  track, 
the  microstepping  rate  is  lower.  For  the  fixed  frequency 
PWM  circuit  of  Figure  9,  the  maximum  microstep  rate 
before  any  individual  microstep  disappeared  was  found 
to  be  1400  microsteps/second.  With  0.45°  microsteps 
this  rate  translates  into  105  rpm.  The  rate  can  be  much 
increased  above  this  before  the  motor  stalls,  but  the 
sense  voltage  waveforms  increasingly  depart  from  the 
DAC  control  waveforms.  With  0.225°  microsteps  (16  per 
full  step)  the  maximum  microstep  rate  which  retains  all 
of  the  microsteps  in  the  sense  waveforms  was  found  to 
be  1850  microsteps/sec  or  approximately  70  rpm.  Simi- 
lar results  were  found  for  the  frequency  modulation 
PWM  circuit  of  Figure  11.  With  0.45°  microsteps,  maxi- 
mum microstep  rate  retaining  all  eight  levels  was  found 
to  be  1330  microsteps/sec  or  100  rpm.  With  0.225°  mi- 
crosteps the  rate  was  1660  microsteps/sec  or  approxi- 
mately 62  rpm. 
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NEW  PWM  MOTOR  DRIVER  AVAILABLE 

Sprague  Electric  has  recently  released  the  UDN2917,  a 
new  dual  full-bridge  stepper  motor  driver  suitable  for 
microstepping  applications.  Output  current  in  both 
windings  of  a  bipolar  stepper  motor  is  sensed  and  con- 
trolled independently  in  each  bridge  by  an  external 
sense  resistor,  internal  comparator  and  monostable 
multivibrator.  When  the  bridge  is  turned  ON,  current 
increases  in  the  motor  winding,  and  it  is  sensed  by  the 
external  sense  resistor  until  the  sense  voltage  reaches 
the  level  set  at  the  comparator's  input.  The  comparator 
then  triggers  the  monostable  which  turns  OFF  the 
source  driver  of  the  bridge.  After  turn-off,  the  motor 
current  decays,  circulating  through  the  ground  clamp 
diode  and  sink  transistor.  The  source  driver's  OFF  time  is 
determined  by  the  monostable's  external  RC  timing 
components.  When  the  source  driver  is  re-enabled,  the 


winding  current  (the  sense  voltage)  is  again  allowed  to 
rise  to  the  comparator's  threshold.  This  cycle  repeats 
itself,  maintaining  the  average  motor  winding  current  at 
the  desired  level.  This  is  a  frequency  modulation  PWM 
drive. 

The  outputs  are  capable  of  driving  motors  at  1.5A  and 
45V.  Maximum  combined  (source  and  sink)  output  satu- 
ration voltage  is  2.6V  at  1A  and  3.1V  at  1.5A.  A  lower 
power  version,  the  2916,  is  also  available.  The  2917  is 
available  in  two  packages  for  applications  versatility. 
One  option  is  a  28-pin  DIP  with  the  two  center  pins  on 
each  side  bonded  together  (commonly  known  as  a 
batwing)  and  connected  to  the  die  attach  pad  to  form  a 
heat  tab.  For  surface  mount  applications,  a  44-pin  PLCC 
is  available  with  two  sides  of  this  quad  package  formed 
into  heat  sinking  tabs  connected  to  the  die  attach  pad. 


■ 


■ 
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Simple  DAC-Based  Circuit  Implements  Constant  Linear  Velocity  (CLV) 

Motor  Speed  Control 

by  John  Wynne 


Most  hard-disk  and  floppy-disk  magnetic  drives  operate 
with  the  disk  spinning  at  a  constant  speed  and  the 
READ/WRITE  head  transferring  information  to  or  from 
the  disk  at  a  constant  rate.  This  type  of  recording  is 
called  constant  angular  velocity  (CAV)  recording  since 
each  data-bit  call  is  given  the  same  angular  velocity 
regardless  of  its  position  on  this  disk  surface.  However, 
the  size  of  the  data  bits  will  vary  depending  on  their 
location.  Closest  to  the  hub  the  bit-cell  density  is  maxi- 
mum thinning  out  to  a  minimum  nearest  the  disk  cir- 
cumference. This  non-uniform  areal  bit  density  (number 
of  bits  in  a  given  area)  is  obviously  wasteful  of  disk 
space. 

CD-ROM  drives  — and  CD  players-employ  a  different 
type  of  recording  technique  in  order  to  achieve  a  con- 
stant areal  bit  density  over  the  operating  disk  surface. 
These  drives  use  constant  linear  velocity  (CLV)  record- 
ing, a  technique  which  actually  varies  the  speed  of  the 
spinning  disk  according  to  where  the  data-bit  cell  is 
located.  Disk  speed  is  highest  for  cell  locations  closest  to 
the  hub  with  decreasing  speed  for  cell  locations  towards 
the  disk  circumference.  Varying  the  rotational  speed  en- 
sures that  the  distance  between  data-bit  cells  is  constant 
regardless  of  cell  location,  and  it  also  maintains  a  con- 
stant data  transfer  rate  from  the  disk.  CLV  recording  can 
boost  disk  capacity  by  up  to  35%  over  that  achievable 
with  CAV  recording.  However,  one  of  the  drawbacks  to 
this  technique  is  the  relatively  long  access  times  due  to 
the  required  speeding-up  or  slowing-down  of  the  disk. 

It  is  somewhat  ironic  that  the  first  generation  of  optical 
CD-ROM  drives  on  the  market  in  the  main  ignored  the 
capacity  boost  possible  with  CLV  (an  ideal  drive  for  op- 
tical drives  because  of  the  continuous  spiral  track  on 
which  data  is  recorded)  and  concentrated  instead  on 
reducing  the  seek  times  in  order  to  compete  with  high 
density  hard-disk  drives.  Some  manufacturers  have  in- 
troduced drives  which  go  some  way  towards  combining 
the  high  density  offered  by  CLV  with  the  fast  access 
times  offered  by  CAV  by  using  a  technique  called  band- 
ing or  zoning.  In  this  approach  the  surface  of  the  disk  is 
divided  into  a  small  number  of  concentric  bands  or 


zones.  Within  each  band  the  recording  is  CAV.  From 
band  to  band  a  degree  of  CLV  is  achieved,  not  by  chang- 
ing the  rotational  speed  of  the  disk,  but  by  changing  the 
data  recording  rate  for  each  new  band.  This  complicates 
the  design  of  the  controller  somewhat  since  a  variable 
frequency  phase-locked  loop  (PLL)  will  be  required  for 
the  data-separator  circuit.  If  access  times  are  the  only 
yardstick  by  which  different  drives  are  to  be  compared 
then  CAV-recorded  disks  will  inherently  be  faster  than 
CLV-recorded  disks.  However  many  applications  exist 
where  disk  capacity  is  as  important  as,  if  not  greater 
than,  data  access  times;  archival  applications  being  an 
obvious  one.  CLV  recording  with  its  substantial  capacity 
advantage  will  be  the  drive  of  choice  in  these  areas. 

The  circuit  presented  here  produces  a  transfer  character- 
istic which  mimics  exactly  the  relationship  between 
data-bit  cell  position  (i.e.,  head  position)  and  disk  rota- 
tional speed  required  to  achieve  CLV  recording.  In  mim- 
icking this  relationship  the  DAC  digital  input  data  repre- 
sents the  radius  at  which  the  READ/WRITE  head  is  to  be 
positioned,  while  the  circuit  output  voltage  represents 
the  correct  rotational  speed  for  that  head  position.  By 
employing  such  a  circuit  in  a  servo  loop  controlling  the 
speed  of  the  spindle  motor  it  should  be  possible  to 
directly  program  the  correct  disk  speed  for  any  data 
location  on  the  disk  resulting  in  faster  data  access  times. 

SPEED  VS.  POSITION 

For  any  rotating  system,  spindle  speed  and  linear  veloc- 
ity are  related  by  the  simple  expression  (see  Figure  1). 


V„  =  Ztt  fs  R 


VH  =  LINEAR  VELOCITY 
fs  =  SPINDLE  SPEED 
R    =  RADIAL  POSITION 

Figure  7.  Pictorial  Explanation  of  Terms 
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Vr  =  2-rrfsR 
where  VR  is  the  linear  velocity 
fs  is  spindle  speed 
R  is  radial  position 


Essentially  VR  is  the  velocity  of  the  disk  passing  under 
the  READ  head.  This  linear  velocity  must  remain  con- 
stant over  the  operational  area  of  the  disk  in  order  to 
ensure  a  constant  data  transfer  rate.  For  this  to  happen 
the  spindle  speed  must  be  inversely  proportional  to  the 
radial  position  of  the  head  or 


,S  =  27R  2 
An  optical  drive  platter  has  maximum  and  minimum 
radii  between  which  the  data  is  stored.  The  radial  posi- 
tion of  the  READ  head  can  be  expressed  in  terms  of 
these  limits  as 

R  =  Rmin  +  X  (Rmax  —  Rmin)  3 

where  RM,N  is  the  minimum  operating  disk  radius, 

Rmax  is  the  maximum  operating  disk  radius, 

X  is  a  fractional  representation  of  the  required 
head  position,  OsXsl. 

Substituting  this  expression  into  the  previous  one  and 
normalizing  the  result  to  the  highest  spindle  speed  pro- 
duces a  ratioed  expression  as 

f  RATIO  =  f 

fsMA 


1+x(^-l) 
\Kmin  / 


The  READ  head  at  the  minimum  radius  corresponds  to 
X  =  0  and  has  the  highest  spindle  speed.  As  X  increases 
towards  the  outer  edge  of  the  disk  the  spindle  speed 
s.  The  shape  of  this  curve  is  shown  in  Figure  2. 


Figure  2.  Relationship  Between  Disk  Spin  Speed  and 
Head  Position  for  a  Constant  Linear  Velocity 


The  minimum  value  of  fRA-no  depends  on  the  disk  diam- 
eter. For  example,  with  a  disk  of  diameter  12  inches, 
Rmax  could  be  5  inches  and  RM|N  be  2  inches.  This 
means  fRAT,0  varies  from  1.0  to  0.4,  i.e.,  the  minimum 
speed  is  0.4  fs  max. 

THE  MIMICKING  CIRCUIT 

The  circuit  in  Figure  3  has  a  transfer  function  equal  to 
Vout  1 


Vratio  ~ 


Vref  1+d1_5fb_ 


where  D1  is  a  fractional  representation  of  the  DAC  digital 
input  data  and  can  vary  from  0  to  almost  unity 
and  RDACi  is  the  ladder  resistance  of  DAC  1. 


Note  that 


D1 


2" 


where  N1  is  digital  input  data  in  decimal  and 
n  is  resolution  of  DAC. 


•~*  1  +  D1 
0sDl<1 


-«  \ AGND 

<7 


Figure  3.  Circuit  to  Mimic  the  Speed/Position  Curve  of 
Figure  2 


The  VRAT,o  transfer  function  of  Expression  (5)  mimics 
the  required  fRAT|0  relationship  of  Expression  (4)  exactly. 
The  value  of  the  Rfb/RDaci  ratio  in  Figure  3  is  dependent 
on  the  DAC  resolution  and  the  Rmax'Rmin  ratio  which  is 
fixed  for  a  given  disk  diameter  and  can  be  found  by 
equating  the  denominators  of  Expressions  (4)  and  (5)  as: 


Rfb  _  2^  /Rmax  A 
Rdaci     D1  \rmin  / 


7 


Using  the  RMAX  and  RMIN  values  from  the  previous  ex- 
ample and  a  12-bit  resolution  DAC  and  solving  Expres- 
sion (7)  when  X  =  1  and  D1  =4095/4096  yields  an 
Rfb'Rdaci  ratio  °f  1.5004.  Due  to  the  manufacturing 
spread  in  DAC  ladder  resistance,  implementing  the  re- 
quired Rfb'Rdaci  ratio  on  a  production  basis  is  itself  an 
interesting  exercise  and  will  be  dealt  with  separately 
[see  later]. 
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Using  The  Circuit 

A  block  diagram  of  a  possible  motor  speed  controller 
incorporating  the  DAC  circuit  is  shown  in  Figure  4.  The 
effect  of  the  DAC  circuit  is  to  augment  the  existing  motor 
speed  control  circuitry  (shown  in  dashed  box)  by  provid- 
ing a  coarse  feedback  signal  which  very  quickly  ensures 


the  disk  is  speeded  up  or  slowed  down  to  the  proper 
speed  after  a  new  SEEK  command  is  received.  When  the 
READ  head  approaches  its  correct  new  position,  motor 
control  is  handed  back  to  the  fine-speed  control  ele- 
ments within  the  dashed  box. 


o 


CLV 
CONTROL 
CIRCUIT 


COARSE  SPEED  CONTROL 


CONVERTER 
(ELECTRONIC  READ  I 

TACHO.)  HEAD 


DATA 
RATE 
CHECKER 


FINE  SPEED  CONTROL 


Figure  4.  Block  Diagram  of  CLV  Motor  Speed  Controller 


with  Coarse  and  Fine  Speed  Control  Loops 


The  disk  look-up  table  in  Figure  4  performs  the  task  of 
changing  absolute  data  addresses  into  corresponding 
fractions  of  the  disk  radius.  Figure  5  shows  the  "transfer 
curve"  for  the  digital-in,  digital-out  look-up  table.  The 
curve  is  nonlinear  reflecting  the  fact  that  with  constant 
density  recording  more  data  locations  are  available  as 
the  spiral  track  circumference  increases,  i.e.,  towards  the 
edge  of  the  disk.  With  CAV  recording  this  relationship 
would  be  linear  reflecting  the  fact  that  each  track  across 
the  disk  surface  has  the  same  amount  of  data  on  it. 

nisK  I  nnk-iip 


Figure  5.  Relationship  Between  Disk  Data  Address  and 
Corresponding  Location  on  Disk  Surface 


The  number  of  look-up  values  in  the  table  is  equal  to  or 
less  than  the  resolution  of  the  DAC  being  used.  With  a 
12-bit  DAC  such  as  the  AD7545,  4096  different  disk 
speeds  are  programmable,  hence  the  look-up  table  need 
be  no  bigger  than  4096  entries.  Each  of  these  different 
speeds  corresponds  to  a  block  of  contiguous  data  ad- 
dresses. The  fine  speed  control  circuitry  can  differentiate 
(if  required)  between  data  addresses  and  hence  disk 
speed  in  any  one  block.  Using  a  higher  resolution  DAC 
obviously  increases  the  number  of  programmable 
speeds  available,  e.g.,  a  14-bit  DAC  such  as  the  AD7538 
allows  16,384  speeds  to  be  programmed.  As  an  example 
of  the  system  in  operation  in  a  CD-ROM  drive,  consider 
that  the  READ  head  is  positioned  at  the  minimum  disk 
radius  RM,N.  At  this  radius  the  disk  will  be  revolving  at 
its  maximum  speed  fs  max,  typically  900  rpm.  A  SEEK 
command  to  read  data  from  an  address  corresponding 
to  a  position  3/4  of  the  way  across  the  operating  disk 
area  requires  that  the  disk  speed  be  reduced  by  53%  to 
423  rpm,  an  fRATi0  of  0.47  (from  Equation  4  and  using  an 
RMAX/RM,N  ratio  of  2.5).  The  error  signal  to  achieve  this 
reduction  is  generated  by  loading  the  digital  equivalent 
(or  the  closest  code  possible)  of  the  fractional  3/4  dis- 
tance into  the  DAC.  In  this  example  the  most  suitable 
code,  N,  is  307210  which  is  loaded  from  the  look-up 
table.  From  Equation  (5)  the  output  voltage  of  the  circuit 
will  now  be  0.47  VREF,  a  VRAT10  of  0.47.  The  signal  is 
compared  with  the  output  of  the  linear  frequency/ 
voltage  converter  whose  output  voltage  at  fs  max  is 
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VOILaye  WHICH  will  unvt:  lilt  iitJdu  lu  uie  lequncu  puoi- 

tion,  3/4  of  the  way  across  the  disk  surface.  Figure  6 
shows  this  coarse  head  positioning  loop  with  a  voice 
coil  motor  driving  the  laser  head  assembly. 


Figure  6.  Coarse  Control  Loop  for  Positioning  Head 
Assembly 

IMPLEMENTING  THE  RFB  /RDAC1  RATIO 

Standard  CMOS  DAC  manufacturing  strives  to  make  the 
on-chip  feedback  resistor  RFB  as  equal  as  possible  to  the 
DAC  ladder  resistance  RDAC.  The  circuit  of  Figure  3  relies 
on  being  able  to  choose  an  RFe/Rdaci  rat'°  which  is  not 
unity  but  dictated  by  the  system  parameters  of  disk  size 
and  number  of  programmable  speeds  required,  i.e.,  DAC 
resolution.  Equation  7  gives  the  exact  relationship  be- 
tween these  parameters.  Since  the  required  Rfb/Rdaci 
ratio  is  always  going  to  be  greater  than  unity,  the  obvi- 
ous solution  is  to  add  a  resistor  R1  in  series  with  the 
feedback  resistor.  Figure  7. 

Rl 


Figure  7.  Incorrect  Way  to  Implement  RFB/RDAC,  Ratio 


significant  changes  in  gain,  R1  will  be  large  relative  to 
the  DAC  resistors  and  its  temperature  coefficient  is  un- 
likely to  match  the  temperature  coefficient  of  the  DAC, 
typically  -300ppm/°C.  As  a  result  such  a  gain  trim  would 
exhibit  large  temperature  coefficients. 

One  solution  to  realizing  nonstandard,  repeatable  gain 
factors  uses  three  additional  resistors  as  shown  in  Fig- 
ure 8.  Resistors  R1,  R2  and  R3  should  all  have  similar 
temperature  coefficients,  but  they  need  not  match  the 
temperature  coefficient  of  the  DAC.  The  overall  gain 
depends  only  on  the  values  of  external  resistors  and 
excludes  the  absolute  value  of  the  ladder  itself.  Gain  is 
best  adjusted  by  varying  the  attenuator  ratio,  as  adjust- 
ment sensitivity  is  almost  unaffected  by  R1. 


Figure  8.  Recommended  Way  to  Implement  Fixed 
Rfb/Rdaci  Ratio 

A  second  method  of  realizing  a  repeatable  gain  is  to 
replace  the  feedback  resistor  RFB  in  Figure  3  with  a  pro- 
grammable feedback  resistor.  A  second  CMOS  DAC 
placed  in  the  feedback  loop  behaves  as  a  programmable 
resistance  and  allows  the  circuit  gain  to  be  digitally  pro- 
grammed. Such  a  circuit  is  shown  in  Figure  9. 


EFFECTIVE  J^-  RATIO  IS  ^ 


Figure  9.  Recommended  Way  to  Implement 
Programmable  RFB/RDAC1  Ratio 
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The  effective  feedback  resistance  has  a  value  equal  to 
Rdac2 


Rfb  - 
where  Rc 


D2 


is  the  DAC  ladder  resistance  of  the  feed- 
back DAC  and  D2  is  the  fractional  representation  of  the 
digital  input  data  to  the  feedback  DAC.  The 
pression  of  Equation  5  now  becomes 
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where  D1  and  RDAC1  relate  to  the  primary  DAC.  If  both 
DACs  are  on  the  same  monolithic  chip,  then  they  will 
have  identical  ladder  impedances.  This  simplifies  the 
Vratio  expression  to 


Vratio  - 


1 


1  +  D1 


Both  DACs  will  generally  have  the  same  resolution,  n,  so 
that  the  VRAT,0  expression  is  shown  finally  to  be  propor- 
tional to  the  codes  in  the  two  DACs 


Vratio 


1 


1+ 


where  N1  and  N2  are  the  codes  applied  to  DAC1  and 
DAC2  respectively.  Thus  the  RFb/Rdao  ratio  is  now 
solely  determined  by  the  code  N2  in  the  feedback  DAC. 


To  find  this  code,  the  denominators  of  Equation  4  and 
the  final  VRAT10  expression  above  are  equated  for  the 
condition  when  the  spindle  speed  is  at  its  maximum. 
Using  the  previous  example  with  RMAX/RM,N  =  2.5,  X  =  1 
and  N1  =4095lo  the  correct  code  for  DAC2  is  found  to  be 
N2  =  273010.  This  code  is  loaded  into  DAC2  and  is  not 
changed  thereafter.  Suitable  monolithic  dual  12-bit 
DACs  for  this  application  are  the  AD7537/AD7547  family 
from  Analog  Devices  which  are  available  in  skinny  24- 
pin  DIP  packages  or  in  standard  surface  mount  pack- 
ages. The  AD7537  with  its  8+4  bit  loading  structure  is 
suitable  for  8-bit  bus  systems,  while  for  16-bit  bus  sys- 
tems the  AD7547,  with  its  parallel  12-bit  loading  struc- 
ture, is  more  suitable. 

The  programmable  solution  to  realizing  the  RFB/RDACi 
ratio  raises  the  intriguing  possibility  of  building  a  univer- 
sal drive  capable  of  reading  disks  of  different  diameters. 
The  disks  would  need  to  have  the  same  RM,N  dimension 
and  the  same  maximum  spindle  speed  fs  max.  Recorded 
on  the  innermost  sectors  of  such  disks  would  be  RMAX 
information  and  the  number  of  programmable  speeds 
required.  The  drive  would  read  this  information  at 
power-on  at  the  standard  maximum  spindle  speed  and 
set  the  circuit  parameters  accordingly,  a  universal  drive. 
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12-Bit  Analog  I/O  Port  Uses 
AD7549  and  8051  Microcomputer 

by  Mike  Curtin 


INTRODUCTION 

In  the  process  control  industry,  many  slowly  varying  ana- 
log signals  need  to  be  measured  and  controlled.  Exam- 
ples of  these  are  temperature,  pressure,  position,  etc.  This 
application  note  describes  the  design  of  an  analog  Input/ 
Output  port  based  on  the  AD7549  dual  DAC  and  the  8051 
microcomputer  which  will  meet  this  requirement.  The  I/O 
port  measures  analog  signals  and  also  provides  an  ana- 
log output  voltage  which  may  be  used  in  various  system 
control  loops  (e.g.,  control  voltage  on  a  hydraulic  servo 
valve). 


HARDWARE  DESCRIPTION 

The  two  main  components  in  the  I/O  port  are  the  AD7549 
dual  DAC  and  the  8051  microcomputer.  The  AD7549  is  a 
dual  12-bit  DAC.  Figure  1  illustrates  the  block  diagram.  For 
further  information  consult  the  AD7549  Data  Sheet,  avail- 
able from  Analog  Devices.  One  DAC  of  the  AD7549  pro- 
vides the  analog  output  voltage  while  the  other  performs 
the  D/A  function  in  a  Successive  Approximation  ADC.  The 
8051  provides  the  interfacing  signals  to  load  DACB  with 
the  data  for  the  analog  output.  It  also  performs  the  succes- 
sive approximation  routine  with  DACAto  measure  the  an- 
alog input,  A!N. 
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Figure  1.  AD7549  Functional  Block  Diagram 
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Figure  2.  Analog  I/O  Port  Circuit  Diagram 


The  I/O  port  circuit  diagram  of  Figure  2  also  incorporates 
the  AD584  voltage  reference,  an  input  buffer  for  A|N,  com- 
parator circuit  for  the  ADC  and  output  amplifier  for  Aout- 
The  AD584  is  connected  to  give  a  voltage  reference  of 
-  10V  to  both  DACs.  This  means  that  the  A|N  range  is  0V 
to  +10V  and  the  Aout  range  is  also  0V  to  +10V. 
A1  (ADOP-27)  buffers  the  analog  input.  Since  the  currents 
in  the  DAC  are  being  switched  at  something  less  than 
100kHz,  it  is  important  that  the  buffer  amplifier  have  a 
high  loop  gain  at  this  frequency.  The  loop  gain  deter- 
mines the  output  impedance  and  so  the  ability  of  the  am- 
plifier to  maintain  A,N  at  a  12-bit  level.  The  AD  OP-27open 
loop  gain  at  100kHz  is40dB  (100).  This  means  that  the  buf- 
fer output  impedance  is  0.7fi  (Open  Loop  Output  Imped- 
ance divided  by  loop  gain)  which  is  driving  a  10kfi  load. 
Error  due  to  this  is  0.007%  and  is  well  below  the  12-bit 
level. 


The  ADC  comparator  section  has  two  stages.  A3  is  an 
AD544  with  a  gain  resistor  of  33kfl  and  back-to-back 
diodes  (HSCH-1001)  to  reduce  settling  time  constraints.  It 
is  possible  to  trim  the  AD544  V0s  (Input  Offset  Voltage)  to 
take  out  offset  in  the  ADC.  The  deciding  factor  in  the 
choice  of  the  AD544  is  its  extremely  low  input  bias  and 
offset  currents.  Currents  of  more  than  lOOnA  can  contri- 
bute errors  of  1/2LSB  to  the  answer.  A4  is  a  TL311  com- 
parator with  some  hysteresis.  Note  that  there  is  no  pull-up 
resistor  at  the  output  of  A4  even  though  it  is  an  open  col- 
lector type  output.  This  is  because  P3.0,  when  configured 
as  an  input,  provides  an  internal  pull-up  resistor. 

A2  (AD  OP-27)  is  the  output  amplifier  for  DACB  and  is  con- 
nected to  perform  the  current-to-voltage  conversion  for 
the  DAC. 
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This  subroutine  takes  the  register 
address  in  R2,  formats  it  and  loads 
it  out  to  the  AD7549.  It  then  returns 
to  Aqut  routine 


This  subroutine  transfers  the  data 
nibble  in  the  lower  half  of  Ato 
the  AD7549  data  bus  and  strobes  the 
WR  line  low  to  load  the  appropriate 
,  before  returningto  Aqut 
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Set  up  port  line  P3.0  as  an  input 
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DAC  A  is  now  loaded  with  all  0's 
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These  instructions  clearthe  AD7549 
data  bits  and  return  to  the 
successive  approximation  routine 


Table  I.  8051  Routines  for 

SOFTWARE  DESCRIPTION 

Table  I  lists  the  complete  analog  I/O  port  software  sub- 
routines. The  I/O  port  should  be  considered  as  part  of  a 
larger  control  system.  Whenever  an  analog  input  is  to  be 
measured  or  an  analog  output  to  be  delivered,  the  pro- 
gram jumps  to  the  appropriate  subroutine.  These  sub- 
routines are  A0ut  and  A|N.  A0ut  takes  the  12  bits  of  data 
UVW  contained  in  data  memory  locations  20,  21  and 
loads  this  data  to  DACB.  So,  the  output  of  A2  (A0ut).  is  the 
analog  value  of  the  digital  word,  UVW. 

A|N  is  the  successive  approximation  routine  for  convert- 
ing the  analog  signal,  A|N,  into  its  digital  value  XYZ  and 


Programming  the  I/O  Port 

placing  the  result  in  data  memory  locations  22  and  23.  The 
routine  initializes  port  outputs,  clears  the  contents  of 
DACA  and  then  proceeds  into  the  successive  approxima- 
tion routine  proper.  In  this,  it  makes  extensive  use  of  the 
bit-handling  instructions  available  on  the  8051 .  Individual 
port  bits  may  be  cleared  or  set  with  a  single  instruction 
(CLR  or  SETB).  Also,  a  single  instruction  (JNB)  can  test  the 
state  of  port  bits  and  jump  to  another  location  depending 
on  the  bit  state.  The  use  of  these  instructions  simplifies 
the  complete  successive  approximation  routine.  Table  II 
shows  the  memory  organization  for  the  Analog  I/O  Port. 
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Table  ft  Memory  Organization  for  Analog  I/O  Port 
PERFORMANCE 

To  perform  the  Analog  Output  function,  the  user  jumps 
from  the  main  program  to  subroutine  A0ut-  This  occupies 
55  bytes  of  memory  and  has  an  execution  time  of  74p.s. 
This  means  that  within  74p.s  of  jumping  to  the  subroutine, 
Aout  has  reached  the  analog  equivalent  of  UVW  (Data  in 
20,  21).  Since  A2  (AD  OP-27)  has  excellent  input  offset 
voltage  characteristics,  A0ut  specifications  will  match 
those  on  the  AD7549  data  sheet.  When  the  AD7549KN 
(BD,  TD)  is  used,  the  integral  linearity  error  is  1/2LSB. 


Differential  linearity  is  less  than  1LSB,  ensuring  guaran- 
teed monotonicity  over  temperature.  Full-scale  error 
(gain  error)  is  3LSBs  max  which  corresponds  to  0.073% 
F.S.R. 

A,N  is  contained  in  145  bytes  of  memory,  and  has  an 
execution  time  which  varies  between  140(ls  and  180(is, 
depending  on  the  value  of  A|N.  This  is  the  ADC  conversion 
time.  For  the  slowly  varying  signals  which  occur  in  proc- 
ess control  systems,  this  speed  is  adequate.  However,  for 
a  user  who  needs  to  measure  higher  frequency  signals, 
increased  bandwidth  can  be  obtained  by  using  an  AD585 
Sample/Hold  amplifier  instead  of  the  input  buffer,  A1. 
This  allows  sampling  of  signals  up  to  2.7kHz. 

Figure  3  shows  how  the  output  of  A3  (top  trace)  varies 
during  the  A/D  conversion  cycle.  At  the  end  of  the  cycle, 
DACA  is  loaded  with  the  digital  value  of  A|N,  causing  the 
currents  flowing  into  A3  inverting  terminal  to  balance  and 
bringing  the  voltage  at  the  output  of  A3  to  zero.  The  bot- 
tom trace  is  the  start  of  conversion  signal.  This  particular 
conversion  is  completed  in  approximately  160(is. 
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Figure  3.  Voltage  at  A3  Output  During  the  Conversion 
Cycle 
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Interfacing  the  AD7549  to  the  MCS-48 
and  MCS-51  Microcomputer  Families 

by  Mike  Curtin 


The  AD7549  is  the  industry's  first  monolithic  dual  12-bit 
D/A  converter.  Not  only  that,  but  because  of  the  data  load- 
ing structure,  it  is  housed  in  a  space-saving  20-pin  0.3" 
wide  package.  The  data  for  each  DAC  is  contained  in  three 
4-bit  nibbles.  Table  I  shows  how  the  digital  control  inputs 
load  the  internal  registers.  The  dedicated  CLR  line  is  espe- 
cially useful  in  system  reset  and  autocalibration  routines 
while  UPDallows  both  DACs  to  be  updated  togetherfrom 
their  respective  input  registers.  The  AD7549  data  sheet 
gives  further  information  on  the  device  and  it  is  recom- 
mended that  the  user  consult  this  where  necessary. 

The  applications  of  the  AD7549  are  many  and  varied.  They 
include  volume  and  balance  control  in  audio  systems, 
cutoff  frequency  and  Q  factor  control  in  programmable  fil- 
ters and  frequency  and  amplitude  control  in  programma- 
ble oscillators.  As  well  as  these  audio  based  applications, 


the  AD7549  can  be  used  in  general  to  replace  two  discrete 
DACs  with  a  dual  DAC  in  a  small  package.  One  particular 
example  of  this  is  when  the  DACs  are  used  as  analog  out- 
put ports  in  microcomputer  based  control  systems.  This 
application  note  examines  such  systems  and  deals  with 
the  hardware  and  software  interfacing  needs. 
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Figure  1.  AD7S49  Functional  Diagram 


Table!.  AD7549  Truth  Table 

Microcomputers  differ  from  microprocessors  in  that  they 
contain  not  only  an  on-chip  CPU  but  also  various  combi- 
nations of  RAM,  ROM,  I/O  ports,  timers,  etc.,  which  ena- 
bles the  user  to  configure  a  complete  control  system  with 
a  minimum  amount  of  hardware.  It  is,  therefore,  hardly 
surprising  that  the  number  of  microcomputers  used  in  in- 
strumentation and  control  is  ever  increasing.  Two  of  the 
most  popular  microcomputer  families  are  the  MCS-48 
and  the  newer  MCS-51,  both  of  which  are  manufactured 
by  Intel.  Interfacing  the  AD7549  to  these  systems  requires 
little  external  hardware  and  keeps  system  component 
count  to  a  minimum. 

MCS-48  INTERFACE 

The  various  members  of  the  MCS-48  family  differ  only  in 
their  internal  memory  capabilities.  In  the  following  dis- 
cussion the  8048  microcomputer  is  representative  of  the 
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complete  family.  The  8048  contains  a  set  of  specific  in- 
structions for  communicating  with  the  8243  I/O  expander. 
These  are  the  MOVD,  ANLD,  ORLD  instructions. 


PRo7~\  f~ 

Z.0-P2.3     


8048 


ADDRESS  2  BITS 
OP-CODE  2  BITS 


DATA  4  BITS 


Figure  2.  MCS-48  Input/Output  Expander  Timing 

MOVD  reads  or  writes  data  directly  between  the  micro- 
computer's accumulator  and  one  of  the  four  output  ports 
on  the  8243  I/O  expander.  ORLD  and  ANLD  perform  the 
logical  OR  and  logical  AND  functions  between  the  ac- 
cumulator and  an  output  port,  placing  the  result  in  the 
output  port.  Figure  2  shows  the  timing  for  the  Output  Ex- 
pander instructions.  All  communication  with  the  8048  oc- 
curs over  the  lower  half  of  Port  2  (P2.0-P2.3).  Timing  con- 
trol is  provided  by  PROG.  Each  transfer  consists  of  two 
4-bit  nibbles.  The  first  contains  the  op  code  and  port  ad- 
dress and  the  second  contains  the  actual  4-bits  of  data.  A 
high  to  low  transition  of  the  PROG  line  indicates  that  ad- 
dress is  present,  while  a  low  to  high  indicates  the  pres- 
ence of  data.  Because  of  the  similarity  in  structure  be- 
tween the  AD7549  and  the  8243  it  is  possible  to  use  the 
8243  instructions  to  program  the  AD7549. 


P2.0 

P2.1 

8243  Port 

AD7549  Register 

0 

0 

P4 

LOW  NIBBLE  REGISTER 

0 

1 

P5 

MID  NIBBLE  REGISTER 

1 
1 

0 

1 

P6 
P7 

HIGH  NIBBLE  REGISTER 
DAC  REGISTER 

7ao/e  //.  AD7549 Register  Selection 

Table  II  shows  how  the  registers  are  selected.  As  an  exam- 
ple, the  instruction  "MOVD  P4,  A"  sets  P2.0  and  P2.1  to 
zeros  in  the  first  nibble  of  the  instruction  (Figure  2).  The 
negative  going  edge  of  PROG  latches  0  0  to  AO  and  A1 
causing  the  LOW  NIBBLE  REGISTER  to  be  loaded  with  the 
bottom  4  bits  of  A.  Note  that  the  AD7549  A2  pin  is  not 
shown  in  Table  II.  This  effectively  selects  DAC  A  or  DAC 
B  and  would  be  set  appropriately  prior  to  the  MOVD 
instruction.  Figure  3  shows  the  interface  circuit  for  the 
MCS-48  to  the  AD7549. 

Data  inputs  DB3-DB0  connect  directly  to  P2.3-P2.0.  Ad- 
dress lines  AO,  A1  are  obtained  by  latching  P2.0,  P2.1  on 
the  negative-going  edge  of  PROG.  All  other  AD7549  con- 
trol lines  are  port  outputs  on  the  8048.  Table  III  is  a  listing 
of  OUTLD,  a  routine  for  loading  the  dual  DAC.  To  load 
DAC  A  with  UVW  (HEX)  the  routine  initially  selects  the  de- 

8-786   DIGITAL-TO-ANALOG  CONVERTERS 


P2.0 
P2.1 
P2.2 
P2.3 


P2.4 


P2.5 
P2.6 
P2.7 
PROG 


2D 

LATCH 
7475 

2Q 

1D 

EN 

1Q 

DBO 

DB1 

DB2 

DB3 

AO 

AD7549* 

A1 

A2 

UPD 

cs 

WR 

•LINEAR  CIRCUITRY  OMITTED  FOR  CLARITY 

Figure  3.  Interface  Circuit  for  the  MCS-48  to  AD7549 

vice,  and  clears  all  registers.  Then,  using  the  MOVD  in- 
struction, each  nibble  register  is  loaded  with  its  correct  4 
bits  of  data.  Finally  the  DAC  A  Register  is  loaded  with  the 
contents  of  the  3  nibble  registers.  The  routine  then  goes 
through  a  similar  procedure  to  load  DAC  B  with  XYZ 
(HEX).  When  the  high  speed  (1 1  MHz)  version  of  the  8048 
is  used,  it  takes  57|iSto  load  both  DACs. 

0000  OUTLD:  MOV     A,#60H  BringCSIowtoselect 
02  OUTL    P2,A         device  and  set  CLR 

hightoclearallDAC 
registers 
Disable  CLR.  Set 
A2  =  0  to  select  DAC  A 
Load  DAC  A  LOW 
NIBBLE  REGISTER 
with  W  (HEX) 
Load  DAC  A  MID 
NIBBLE  REGISTER 
with  V  (HEX) 
Load  DAC  A  HIGH 
NIBBLE  REGISTER 
with  U  (HEX) 
Load  DAC  A 
REGISTER  with  UVW 
(HEX) 
SetA2  =  1 
to  select  DAC  B 

Load  DAC  B  LOW 
NIBBLE  REGISTER 
with  Z  (HEX) 
Load  DAC  B  MID 
NIBBLE  REGISTER 
with  Y  (HEX) 
Load  DAC  B  HIGH 
NIBBLE  REGISTER 
withX 
Load  DAC  B 
REGISTER  with  XYZ 
(HEX)^ 

Set  CS  high  to 
deselect  DAC 


03 

MOV 

A,  #40H 

05 

OUTL 

P2,A 

06 

MOV 

A,#0VWH 

08 

MOVD 

P4,A 

09 

SWAP 

A 

OA 

MOVD 

P5,A 

0B 

MOV 

A,#0UH 

0D 

MOVD 

P6,A 

0E 

MOVD 

P7,A 

OF 

MOV 

A,#50H 

11 

OUTL 

P2,A 

12 

MOV 

A,  #0YZH 

14 

MOVD 

P4,A 

15 

SWAP 

A 

16 

MOVD 

P5,A 

17 

MOV 

A,#0XH 

19 

MOVD 

P6,A 

1A 

MOVD 

P7,A 

1B 

MOV 

A,#C0H 

1D  OUTL  P2.A 

Table  III.  804B  Program  Listing 


MCS-51  INTERFACE 

In  the  following  text,  the  term  "8051"  is  used  to  generi- 
cally  refer  to  all  members  of  the  MCS-51  family.  Like  the 
MCS-48  family,  the  various  members  differ  mainly  in  their 
internal  memory  capabilities  (the  8052/8032  also  has  an 
extra  1 6-bit  timer/counter).  In  comparison  to  the  8048,  the 
8051  offers  more  speed,  more  input-output  pins,  and 
more  memory  in  addition  to  a  full  duplex  serial  I/O  port. 
There  is  no  facility  on  the  8051  to  expand  I/O  ports  in  the 
same  manner  as  the  8048.  However,  it  does  have  features 
which  make  an  AD7549  interface  very  simple.  In  particu- 
lar, the  8051  's  Boolean  processing  instructions  provide  di- 
rect bit  handling  (i.e.,  single  bit  addressing  and  updating). 
Individual  bits  can  be  set,  cleared  or  complemented  with 
the  2-byte  instructions  SETB,  CLR  or  CPL  In  addition,  bits 
can  be  moved  to  and  from  the  carry  flag  with  the  MOV  in- 
struction, and  logical  ANL  and  ORL  functions  can  be  per- 
formed between  the  carry  and  the  addressed  bit.  With  this 
bit  handling  facility,  it  is  possible  to  interface  to  the 
AD7549  without  any  external  hardware. 


P3.1 

cs 

WR 
A2 
A1 
AO 

P1.7 

P1.6 

PI  .5 

P1.4 

8051 

AD7549* 

P1.3 

DB3 

PI  .2 

DB2 

P1.1 

DB1 

P1.0 

DBO 

UPD  CLR 

Ti 

+  5V 

•LINEAR  CIRCUITRY  OMITTED  FOR  CLARITY 

Figure  4.  MCS-51  to  AD7549  Interface 

Figure  4  shows  the  interface  circuit  and  Table  IV  lists  the 
software  routine  DACLOAD  which  loads  both  DACs.  The 
data  to  be  loaded  into  the  DACs  is  stored  in  data  memory 
locations  20  to  23.  Table  V  shows  how  this  is  organized. 
DACLOAD  programs  DAC  A  with  UVW  (HEX)  and  DAC  B 
with  XYZ  (HEX).  P3.1  is  the  AD7549  CS.  This  is  activated 
at  the  beginning  of  the  routine  and  brought  high  at  the 
end.  Port  lines  P1.4-P1.6  control  the  register  addressing. 
The  routine  initially  sets  up  the  appropriate  nibble  register 
address  in  8051  register  R2.  Then,  the  ADDRS  subroutine 
formats  this  and  loads  it  to  the  device  address  lines.  The 
DATA  subroutine  places  the  correct  data  on  the  device 
lines  DB3-DB0  and  loads  the  appropriate  register  by 
strobing  WR  (P1.7)  low.  The  next  AD7549  nibble  register 
address  is  then  set  up  by  incrementing  R2.  When  the  three 
nibble  registers  are  loaded  the  12-bits  of  data  are  transfer- 
red to  the  DAC  regiser  by  setting  up  the  DAC  register  ad- 
dress and  strobing  WR  low. 


0100 

DACLOAD: 

CLR 

P3.1 

Bring  CS  low  to  select  device 

102 

MOV 

R2,  #00 

Load  1st  register  address  into  R2 

104 

LCAL 

ADDRS 

Register  address  loaded  to  DAC 

107 

MOV 

R0,  #21 

109 

MOV 

A,@R0 

10A 

LCAL 

DATA 

Data  (W)  loaded  into  register 

10D 

INC 

R2 

Next  register  address  setup 

10E 

LCAL 

ADDRS 

Register  address  loaded  to  DAC 

111 

MOV 

A>  R0 

112 

SWAP 

A 

113 

LCAL 

DATA 

Data  (V)  loaded  into  register 

116 

INC 

R2 

Next  register  address  setup 

117 

LCAL 

ADDRS 

Register  address  loaded  to  DAC 

11A 

DEC 

R0 

11B 

MOV 

A,@R0 

11C 

LCAL 

DATA 

Data  (U)  loaded  into  register 

1 1F 

INC 

R2 

DAC  A  register  address  setup 

120 

LCAL 

ADDRS 

DAC  A  reg  ister  address  loaded  to  DAC 

123 

CLR 

P1.7 

Bring  WR  low 

125 

SETB 

P1.7 

Bring  WR  high.  Data  {UVW)  has 

now  been  loaded  to  DAC  A 

127 

INC 

R2 

Next  register  address  setup 

128 

LCAL 

ADDRS 

Register  address  loaded  to  DAC 

12B 

INC 

R0 

12C 

INC 

R0 

12D 

INC 

R0 

12E 

MOV 

A@R0 

12F 

LCAL 

DATA 

Data  (Z)  loaded  into  register 

132 

INC 

R2 

Next  register  address  setup 

133 

LCAL 

ADDRS 

Register  address  loaded  to  DAC 

136 

MOV 

A,  (i.i  R0 

137 

SWAP 

A 

138 

LCAL 

DATA 

Data  (Y)  loaded  into  register 

13B 

INC 

R2 

Next  register  address  setup 

13C 

LCAL 

ADDRS 

Register  address  loaded  to  DAC 

13F 

DEC 

R0 

140 

MOV 

A@R0 

141 

LCAL 

DATA 

Data  (X)  loaded  into  register 

144 

R2 

DAC  B  register  address  setup 

145 

LCAL 

ADDRS 

DAC  B  register  address  loaded  to  DAC 

148 

CLR 

PI  .7 

Bring  WR  low 

14A 

SETB 

P1.7 

Bring  WR  high.  Data  (XYZ)  has 

now  been  loaded  to  DAC  B 

14C 

SETB 

P3.1 

Bring  CS  high  to  deselect  device 

0200 

ADDRS: 

MOV 

A,R2 

This  subroutine  takes  the 

201 

SWAP 

A 

appropriate  register  address  held  in 

202 

ORL 

A,  #80 

R2,  formats  it  and  loads  it  out  to 

204 

MOV 

P1,A 

the  device. 

206 

RET 

0210 

DATA: 

ANL 

A,  #0F 

This  subroutine  transfers  the  data 

212 

ORL 

PI, A 

nibble  in  A  to  the  device  data  bus 

214 

CLR 

P1.7 

and  strobes  the  WR  line  low  to  load 

216 

SETB 

P1.7 

the  appropriate  register. 

218 

RET 

Table  IV.  805 1  Program  Listing 

When  the  12MHz  version  of  the  8051  is  used,  the  program 
loads  the  AD7549  in  140(j.s.  The  amount  of  program  mem- 
ory used  is  93  bytes.  Note  that  the  device  architecture  al- 
lows interfacing  using  only  nine  of  the  8051 's  thirty-two 
input/output  lines,  so  that  in  large  control  systems,  the 
DACs  do  not  unduly  overburden  the  8051  I/O  capability. 
The  system  is  easily  expanded  by  taking  extra  I/O  lines 
and  using  them  as  CS  inputs  for  successive  devices. 


Memory  Location 

Contents 

20 

OU 

21 

vw 

22 

ox 

23 

YZ 

Table  V.  Data  to  be  Loaded  to  the  AD7549 
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DAC  ICs:  How  Many  Bits  is  Enough? 

by  Robert  Adams 

The  DACs  designed  for  use  in  digital  audio  playback  circuitry  are  available 
in  a  diverse  choice  of  architectures,  and  each  have  their  own  performance 
tradeoffs. 


A, 


Lt  the  heart  of  every  digital  audio  play- 
back system  lies  the  single-most  critical 
component  for  high-fidelity  audio:  the 
digital-to-analog  converter  (DAC).  These 
converters  handle  the  delicate  task  of 
translating  the  16-bit  binary  words  encod- 
ed on  the  disc  or  tape  into  corresponding 
analog  signals  worthy  of  amplification 
and,  ultimately,  of  the  human  ear. 

Magnavox's  first  CD  player  (circa  1983) 
employed  dual  14-bit  converters,  and  by 
1989  many  models  heralded  20-bit  con- 
verters. Today  however,  the  words  "bit- 
stream"  and  "MASH"  —  displayed  promi- 
nently on  the  face  of  many  CD  players  and 
other  digital  reproduction  devices  —  re- 
fer to  a  1-bit  converter  architecture  that 
is  revolutionizing  the  digital  audio  indus- 
try and  attracting  the  attention  of  many. 

Just  how  many  bits  are  necessary?  Giv- 
en that  CDs  are  encoded  in  a  16-bit  PCM 
format,  why  are  18-  and  20-bit  converters 
showing  up? 

This  article  examines  the  DACs  de- 
signed and  optimized  for  use  in  digital  au- 
dio playback  circuitry.  It  compares  the  di- 
verse choice  of  architectures  available  for 
the  job  and  discusses  the  design  and  per- 
formance tradeoffs  of  each. 

Basic  theoretical  concepts 

Although  you  don't  have  to  be  an  ex- 
pert to  understand  audio  D/A  conversion, 
there  are  two  basic  concepts  that  are  fun- 
damental to  the  understanding  of  this  top- 
ic: sampling  and  quantization. 

Sampling  is  the  act  of  taking  an  analog 
signal  waveform,  which  has  a  value  at  eve- 
ry instant  of  time,  and  sampling  it  at  regu- 
lar intervals.  This  supplies  us  with  infor- 
mation about  the  value  of  the  waveform 
only  at  the  sampling  instants.  The  Nyquist 
Theorem  states  that,  as  long  as  the  origi- 
nal analog  signal  contains  no  frequencies 
higher  than  half  of  the  sampling  frequen- 

Adams  is  with  the  Semiconductor  Division  of  Ana- 
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cy,  the  signal  can  be  re-constructed  com- 
pletely from  the  sampled  values. 

For  most  digital  audio  applications,  we 
have  two  common  sampling  frequencies: 
44.1kHz  (the  consumer  standard)  and 
48kHz  (the  professional  standard).  Both  of 
these  frequencies  are  a  little  above  twice 
the  highest  frequency  of  interest  (20kHz). 

If  we  imagine  that  we  have  a  "perfect" 
sampler,  free  of  real-world  non-idealities, 
we  can  say  that  the  signal  can  be  recov- 
ered completely,  without  any  added  noise 
or  distortion.  We  assume  that  the  output 
of  this  perfect  sampler  is  either  a  noise- 
less analog  voltage  (held  on  a  capacitor, 
for  example)  or  a  digital  word  with  infinite 
precision.  To  store  the  sampled  values  for 
later  playback,  one  must  use  a  finite  num- 
ber of  bits  to  represent  the  sampled  val- 
ue. This  is  where  quantization  comes  into 
play. 

By  using  a  finite  digital  word-length  to 
represent  the  sampled  value,  we  have 
added  an  uncertainty  to  the  sampled  val- 
ue, one  which  can  no  longer  be  complete- 
ly recovered  on  playback.  Quantization 
can  be  thought  of  as  a  many-to-one  map- 
ping (a  continuous  range  of  input  values 
results  in  a  single  output  value).  For  con- 
sumer digital  audio  equipment,  the  sam- 
pled values  are  stored  in  a  16-bit  format, 
with  a  theoretical  dynamic  range  of 
98.1dB.  (It's  more  complicated  than  just 
6dB/bitxl6  bits=96dB,  and  it  is  common- 
ly misunderstood.) 

Errors  introduced  by  quantization  are 
heavily  dependent  on  the  signal  being 
quantized.  High-amplitude  signals  with  a 
complex  spectrum  (pop  music,  for  exam- 
ple) generally  cause  quantization  errors 
that  are  like  white  noise.  Very  soft  signals 
that  are  not  much  larger  than  one  quan- 
tization level  can  be  severely  distorted  un- 
less dither  noise  (a  random  noise  uncor- 
rected with  the  signal)  is  added  to  the 
signal  before  quantization.  The  impor- 
tance of  using  dither  to  de-correlate  the 
quantization  error  from  the  input  signal 


has  received  wide  attention,  and  most 
manufacturers  now  use  it  where  appropri- 
ate in  their  designs. 

A  typical  DAC  circuit 

Over  the  years,  many  modifications  in 
D/A  circuitry  have  improved  performance 
and  reduced  cost.  For  example,  early  CD 
players  generally  used  a  single,  parallel- 
input  DAC,  alternated  between  both  right 
and  left  channels.  They  employed  two  out- 
put sample-and-hold  circuits  —  one  per 
channel  —  to  reduce  the  signal-dependent 
"glitch"  that  they  produced  when  switch- 
ing from  one  sample  to  the  next,  and  to 
divide  the  output  samples  into  separate 
left  and  right  signals.  The  sample-and-hold 
amplifier's  distortion  and  the  inter-channel 
time  delay  drew  criticism  from  audi- 
ophiles,  who  were  convinced  that  such 
degradations  were  audible.  Modern  de- 
signs usually  employ  one  DAC  for  each 
channel,  and  special  design  techniques  are 
used  in  the  DAC  itself  to  reduce  the  glitch 
to  the  point  where  de-glitching  circuitry 
is  no  longer  necessary. 

Figure  1  shows  a  typical  D/A  circuit, 
which  might  be  found  inside  a  modern  CD 
player.  The  most  important  IC  is,  of  course, 
the  D/A  chip  itself.  In  this  case,  our 
AD1860,  an  18-bit  DAC,  is  being  used.  Like 
most  modern  DACs,  this  device  uses  a  seri- 
al interface  to  reduce  pin  count.  This  serial 
interface  consists  of  three  signals:  serial 
data  input,  bit  clock  input  and  word  clock 
input.  This  serial  bit  stream  is  converted 
internally  to  a  parallel  word,  where  it 
drives  the  individual  current-steering 
switches.  One  advantage  of  using  an  in- 
ternal latch  is  that  the  timing  of  when 
each  bit  actually  switches  can  be  careful- 
ly controlled,  which  reduces  the  signal- 
dependent  glitch  problem  found  in  older 
designs. 

The  other  key  function  is  the  digital 
oversampling  filter  chip,  which  takes  in 
data  at  44.1kHz  (or  48kHz)  and  produces 
an  output  at  a  higher  rate  (two,  four,  eight 
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Figure  1.  This  typical  D/A  circuit  uses  an  18- 
bit  DAC,  which  uses  a  serial  interface  to  reduce 
pin  count. 


or  even  16  times  the  input  sample  rate). 
Next  we  will  look  into  the  theory  behind 
DAC  filters,  and  why  analog  brick-wall 
filters  have  almost  universally  given  way 
to  digital  interpolation  filters. 

D/A  reconstruction  filters:  Is 
digital  better? 

On  the  playback  side,  sampling  theory 
predicts  that  there  will  be  "images"  of  the 
original  signal  around  multiples  of  the 
sampling  frequency.  For  example,  a  1kHz 
signal  that  was  originally  sampled  at 
44.1kHz  will  have  components  at  43.1kHz, 
45.1kHz,  87.2kHz,  89.2kHz,  etc.,  as  shown 
in  Figure  2. 

If  we  want  perfect  reconstruction  of  the 
original  continuous  waveform,  we  must  fil- 
ter out  or  otherwise  eliminate  these  un- 
wanted look-alike  or  image  components 


1  24  24 
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before  they  are  fed  to  the  rest  of  our  au- 
dio system.  However,  this  filtering  is,  strict- 
ly speaking,  not  necessary.  All  of  the  un- 
wanted components  are  in  the  ultrasonic 
range,  and  the  only  reason  to  remove 
them  is  to  ensure  that  the  analog  circuitry 
in  a  typical  power  amp  or  pre-amp  will  not 
become  non-linear  in  the  presence  of 
large  ultra-high-frequency  signals. 


Figure  3  shows  two  methods  for  remov- 
ing these  unwanted  image  signals.  The 
first  method  is  to  follow  the  DAC  with  a 
brick-wall  analog  filter,  which  has  flat  re- 
sponse over  audio  frequencies  and  sharp- 
ly cuts  off  just  above  20kHz.  The  second 
method  is  to  do  most  of  this  filtering  digi- 
tally and  use  a  simple  analog  filter  at  the 
DAC  output. 


IMAGES  AT  PAL  OUTPUT 


43.1kHz  45.1kHz    87.2kHz  89.2kHz 
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Figure  2,  Sampling  theory  predicts  that  there 
will  be  "images"  of  the  original  signal  around 
multiples  of  the  sampling  frequency.  Perfect 
reconstruction  of  the  original  continuous  wave- 
form requires  that  these  unwanted  look-alike 
or  image  components  be  eliminated. 
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Figure  3.  There  are  two  methods  for  removing  unwanted  image  signals:  Follow  the  DAC  with 
a  brick-wall  analog  filler,  which  has  flat  response  over  audio  frequencies  and  sharply  cuts  off 
just  above  20kHz,  or  do  most  of  this  filtering  digitally  and  use  a  simple  analog  filter  at  the  DAC 
output. 
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Figure  4.  For  digital  oversampling.  we  start  with  a  sampled  signal  at  44.  IhHz  (Figure  4a),  which 
has  images  in  the  frequency  domain  (Figure  4b).  The  sample  rate  of  the  digital  signal  is  increased 
by  zero-valued  samples  inserted  between  the  existing  samples  (Figure  4c).  resulting  in  the  spec- 
trum shown  in  Figure  4d.  This  zero-stuffed  signal  is  applied  to  a  digital  low-pass  filler.  The  filter 
response  for  a  4x  interpolator  is  shown  in  Figure  4f,  and  the  smoothed  time-domain  signal  is 
shown  in  Figure  4e.  A  simple  analog  filter  finishes  the  job  by  removing  the  high-frequency  image, 
as  shown  in  Figures  4g  and  4h.  resulting  in  the  reconstructed  waveform  shown  in  Figure  4i. 
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The  analog  reconstruction  filter: 
Fast  disappearing 

In  the  early  days  of  digital  audio,  the 
reconstruction  filter  was  typically  a  com- 
plex, analog,  active  (or  passive)  filter.  This 
filter  had  to  have  very  flat  frequency  re- 
sponse over  the  audio  band  and  then  drop 
precipitously  just  above  20kHz,  with  an  ul- 
timate attenuation  of  at  least  80dR 

These  filters  became  known  as  brick- 
wall  filters,  and  they  required  exception- 
ally high-tolerance  components  to  meet 
audio  standards.  These  filters  also  intro- 
duced large  phase  shifts  near  the  edge  of 
the  audio  band.  Whether  this  phase  shift 
introduced  audible  artifacts  became  a  con- 
troversial subject,  and  early  detractors  of 
digital  audio  often  blamed  the  so-called 
"gritty"  sound  of  digital  recordings  on  the 
high  phase  shift  introduced  by  this  filter, 
when  in  fact  they  were  probably  hearing 
the  effects  of  poor  low-level  linearity  in  the 
ADC  or  DAC  (more  on  this  later). 

In  any  event,  the  combination  of  high 
cost,  high  power  consumption  and  large 
phase  shifts  drove  the  development  of  dig- 
ital oversampling  filters  that  have  effective- 
ly replaced  brick-wall  analog  filters  in 
most  applications. 

To  the  rescue  ... 

Digital  oversampling  filters  take  the  bur- 
den off  the  analog  filters  by  filtering  out 
most  of  the  undesired  information  (im- 
ages) in  the  digital  domain  before  the  sig- 
nal is  applied  to  the  DAC.  There  must  still 
be  an  analog  output  filter,  but  it  can  be 
a  simple  third-order  design  with  minimal 
phase  shift. 

Figure  4  shows  how  oversampling  filters 
work  in  both  the  time  and  frequency  do- 
mains. We  start  with  a  sampled  signal  at 
44.1kHz  (Figure  4a),  which  has  images  in 
the  frequency  domain  (Figure  4b).  The 
next  step  in  the  process  is  to  increase  the 
sample  rate  of  the  digital  signal  by  insert- 
ing zero-valued  samples  between  the  ex- 
isting samples  (Figure  4c),  resulting  in  the 
spectrum  shown  in  Figure  4d. 

This  may  seem  like  a  trivial  operation, 
because  we  have  not  really  changed  the 
spectrum  of  the  signal.  But  it  is,  in  fact, 
an  important  conceptual  step;  the  signal 
in  Figure  4a  is  sampled  at  44.1kHz  and  has 
images  around  multiples  of  44.1kHz,  but 
the  signal  in  Figure  4c  is  sampled  at  four 
times  44.1kHz  and  has  images  around  four 
times  44.1kHz. 

Even  though  the  spectrum  looks  the 
same,  we  now  regard  the  44.1kHz  images 
as  the  actual  signal  itself,  which  just  hap- 
pens to  have  repeated  regions  at  multiples 
of  44.1kHz.  This  conceptual  step  is  neces- 
sary because  any  digital  filter  that  we  build 
will  have  its  own  image  response  at  mul- 
tiples of  the  input  sample  rate.  Because  we 
want  our  filter  response  to  attenuate  fre- 
quencies beyond  44.1kHz,  it  has  to  run  at 


a  faster  sampling  rate  than  44.1kHz. 

The  third  step  in  the  process  is  to  apply 
this  zero-stuffed  signal  to  a  digital  low-pass 
filter.  The  filter  response  for  a  4x  inter- 
polator is  shown  in  Figure  4f,  and  the 
smoothed  time-domain  signal  is  shown  in 
Figure  4e.  Note  that  the  filter  response  has 
an  image  around  the  4x  oversampling 
rate.  Therefore,  an  image  of  the  baseband 
signal  appears  at  the  DAC  output  around 
this  frequency  and  must  be  removed  by 
the  external  analog  filter.  But  the  digital 
filter  has  done  most  of  the  hard  work,  and 
a  simple  analog  filter  can  now  finish  the 
job  by  removing  this  high-frequency  im- 
age, as  shown  in  Figures  4g  and  4h,  result- 
ing in  the  reconstructed  waveform  shown 
in  Figure  4i. 

One  advantage  of  using  a  finite  impulse 
response  (FIR)  digital  filter  is  that  the 
phase  response  can  be  made  linear.  (See 
"The  Performance  Aspects  of  Digital  Over- 
sampling"  and  "The  Saori  Signal  Proces- 
sor" in  the  October  1989  and  September 
1990  issues,  respectively  for  more  on  FIR 
filters.)  This  solves  the  problem  (if  it  is  a 
problem)  of  too  much  phase  shift  in  the 
audio  band,  although  we  should  bear  in 
mind  that  the  digital  filter  is  every  bit  as 
much  of  a  "brick-wall"  filter  as  the  old  ana- 
log filter  was.  It  does  not  provide  relief  for 
those  who  can  hear  beyond  20kHz. 

Another  more  tangible  advantage  of  the 


digital  approach  is  that  we  have  now 
replaced  a  fussy  analog  circuit  requiring 
high-precision  components  and  lots  of  cir- 
cuitry with  a  monolithic  IC  that  is  inex- 
pensive and  whose  performance  does  not 
change  significantly  from  one  unit  to  the 
next.  It  is  this  combination  of  economic 
incentive  and  improved  performance  that 
has  lead  virtually  all  manufacturers  to  in- 
corporate digital  oversampling  filters  into 
their  designs. 

Today  it  is  common  to  find  digital  au- 
dio devices  that  use  18-  or  even  20-bit 
DACs.  The  number  of  bits  used  in  the  DAC 
is  often  prominently  displayed  on  the  front 
panel,  with  more  expensive  units  using 
more  bits.  The  technically  savvy  person 
will  often  ask  the  obvious  question:  If 
there  are  only  16  bits  in  the  original  sig- 
nal, why  would  you  need  an  18-  or  20-bit 
converter? 

There  are  several  answers  to  this  ques- 
tion, some  of  which  are  technical  in  na- 
ture and  some  that  have  more  to  do  with 
marketing  issues.  (How  does  a  manufac- 
turer differentiate  a  low-end  CD  player 
from  a  high-end  unit  if  they  both  sound 
the  same?)  The  technical  answer  is  that 
the  digital  oversampling  filter  produces  a 
digital  output  with  much  more  than  16 
bits.  This  does  not  mean  that  the  digital 
filter  has  somehow  magically  removed 
noise  from  the  signal  or  increased  the  dy- 
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namic  range  of  the  recording.  It  simply 
means  that  the  interpolated  values  which 
the  filter  computes  do  not  usually  coincide 
with  16-bit  integer  values.  They  usually  fall 
in  between  16-bit  values,  and,  therefore, 
a  longer  digital  word  is  required  to  repre- 
sent the  interpolated  value.  So  now  we 
face  the  question  of  what  to  do  with  this 
long  digital  word  (often  more  than  30  bits). 

If  we  simply  drop  the  lower  bits  and  feed 
the  upper  16  bits  into  a  16-bit  DAC,  we 
have  effectively  re-quantized  the  signal, 
and  some  quantization  noise  will  be  added 
to  the  signal  that  was  not  present  in  the 
original  digital  signal.  If  we  postulate  that 
the  original  recording  was  made  with  a 
perfect  16-bit  ADC  with  a  theoretical  16- 
bit  dynamic  range  of  98.1dB,  then  we  have 
added  another  noise  source  of  the  same 
magnitude  to  the  signal. 

Because  this  re-quantization  is  occurring 
at  the  interpolated  rate  and  not  at  the 
original  44.1kHz  rate,  its  noise  is  spread 
out  over  a  wider  frequency  range,  and  less 
of  it  appears  at  audio  frequencies.  For  an 
8:1  interpolation  ratio,  the  total  noise  will 
be  about  1.5dB  higher  than  theoretical  16- 
bit  performance,  resulting  in  a  noise  floor 
of  96.6dR  This  assumes  that  the  trunca- 
tion noise  is  not  correlated  with  the  sig- 
nal, which  may  be  an  optimistic  assump- 
tion for  low-level  signals.  A  more 


pessimistic  value  for  the  noise  degradation 
might  be  3dB,  resulting  in  a  S/N  ratio  of 
95.1dB. 

If  instead  we  save  the  upper  18  bits  of 
the  digital  filter  output  signal  and  feed  it 
to  an  18-bit  DAC,  we  are  adding  a  noise 
source  that  is  12dB  below  the  original  16- 
bit  theoretic  noise  produced  by  the  ADC. 
When  we  add  these  two  noise  sources,  the 
result  is  only  a  fraction  of  a  decibel  higher 
than  the  theoretic  16-bit  noise  floor,  result- 
ing in  almost  no  degradation  of  the  sig- 
nal. This  is  the  primary  technical  reason 
that  18-  and  20-bit  converters  are  often 
used  in  digital  audio  playback  systems. 

But  one  should  bear  in  mind  that  this 
slim  1.5dB  (or  3dB  worst  case)  noise  ad- 
vantage is  mostly  lost  if  the  quantization 
noise  of  the  converters  is  not  the  domi- 
nant noise  source  in  the  signal.  In  most 
consumer  applications,  noise  on  the  origi- 
nal recording  and  in  the  playback  environ- 
ment will  exceed  the  quantization  noise 
by  a  fair  margin,  and  it  is  highly  question- 
able whether  this  improvement  could 
realistically  be  audible. 

Another  reason  for  using  converters  of 
higher  resolution  is  that  the  distortion  per- 
formance (linearity)  of  higher-resolution 
converters  is  typically  better  than  that  of 
lower-resolution  products.  For  example,  a 
16-bit  DAC,  such  as  our  AD1856.  typical- 


ly exhibits  full-scale  distortion  of  0.002%; 
a  20-bit  part  (such  as  the  AD1862J)  has  dis- 
tortion numbers  of  less  than  0.0012%.  Yet 
another  advantage  of  high-resolution  con- 
verters is  that  the  thermal  noise  perform- 
ance (noise  with  no  digital  codes  chang- 
ing) is  typically  better  than  the  noise 
performance  of  their  16-bit  counterparts. 

The  requirements  for  the  professional 
audio  market  are  quite  different  from 
those  of  the  consumer  market.  When  you 
are  recording  live,  uncompressed  materi- 
al, there  is  a  legitimate  need  for  very-high- 
resolution  ADCs  and  DACs.  The  dynamic 
range  of  a  closely  miked  percussion  instru- 
ment using  a  low-noise  condenser  micro- 
phone can  exceed  120dB  without  much 
trouble! 

The  professional  recording  industry  is 
in  the  midst  of  a  major  push  toward  18- 
and  even  20-bit  converters  to  meet  these 
needs.  At  present,  few  product  offerings 
provide  this  level  of  performance,  and 
most  of  these  products  are  expensive 
hybrids.  But  in  the  near  future,  the  same 
performance  will  be  available  in  inexpen- 
sive monolithic  ICs  that  use  a  radically 
different  design  approach  known  as  sigma- 
delta  conversion. 

In  Part  II,  we'll  cover  design  approaches 
for  D/A  conversion  and  discuss  the  specifi- 
cations in  product  literature. 
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Analog  Panning  Circuit  Provides  Almost  Constant  Output  Power 

by  John  Wynne 


In  audio  recording  and  playback  it  is  often  required  to  split 
or  "pan"  a  single  signal  source  into  a  two-channel  signal 
for  stereo  effects.  To  locate  the  signal  source  as  desired 
in  the  sound  stage,  the  overall  signal  power  is  maintained 
constant  while  the  relative  levels  in  the  derived  channels 
are  adjusted.  This  application  note  describes  a  circuit 
which  limits  variations  in  the  total  output  power  to 
±0.1dB.  It  uses  two  CMOS  Multiplying  D/A  Converters  to 
control  the  signal  levels  in  the  derived  channels.  CMOS 
DACs  are  ideal  in  this  application  because  of  their  low  dis- 
tortion. The  DACs  function  as  resistive  attenuators  using 
thin-film  resistors  which  have  low  noise  and  very  low  volt- 
age coefficient.  Converters  which  are  especially  suitable 
for  this  application  are  Dual-DACs  which  contain  two 
CMOS  DACs  on  a  monolithic  substrate.  These  are  avail- 
able from  Analog  Devices  with  8-bit  resolution  (AD7528) 
or  12-bit  resolution  (AD7537/47/49). 

The  simplest  and  most  obvious  circuit  for  panning  is 
shown  in  Figure  1 .  The  digital  data  NB  fed  to  DAC  B  is  the 
2's  complement  of  the  data  NA  fed  to  DAC  A.  For  n-bit  con- 
verters the  digital  input  codes,  NA  &  Na,  can  be  rep- 
resented by  fractional  values,  DA&DB  respectively,  where 
DA  =  NA/2"  and  Db  =  Nb/2",  with  NA  and  NB  in  decimal 
format.  Because  of  the  2's  complement  arrangement  be- 
tween the  DACs,  the  all  0's  code  or  full  mute  condition  is 
not  allowed  -  in  theory  at  least.  The  relationship  between 
the  two  fractional  representations,  DA&DB,  is  given  as: 


DA  +  DB  =  1 


(1) 


The  output  voltage  expressions  for  the  two  channels  in 
Figure  1  are  as  follows: 

VoutA=  -DA-V,N  (2) 


Figure  1.  Simple  Power  Splitter  Circuit 


-DB-V„ 


(3) 


The  performance  of  a  12-bit  system  is  shown  in  Figure  2 
where  the  total  output  power  level  is  plotted  versus  NA. 
The  OdB  output  power  level  used  as  the  reference  level  in 
Figure  2  is  the  total  output  power  available  when  DA  =  DB 
=  0.5,  the  balanced  condition.  With  this  simple  panning 
circuit,  the  total  output  power  level  at  either  extreme  of 
the  allowable  input  code  range  has  increased  by  3dB  (a 
doubling  of  the  power)  over  the  power  output  level  at  the 
balanced  condition.  Load  impedances,  RLA  &  RLB,  are  as- 
sumed equal  for  both  channels. 
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Figure2.  Response  of  Figure  1  Using  12-BitDACs 


A  circuit  which  avoids  this  doubling  in  output  power  level 
is  shown  in  Figure  3.  The  DACs  are  again  driven  with  2's 
complementary  data.  The  output  voltage  expressions  for 
the  two  channels  are  as  follows: 

,,  _da'vin  ,„> 

Vquta  =   .  .  -  <4> 


1  +DA 

-Db-Vin 
1  +DR 


(5) 


Power  splitter  performance  for  this  circuit  when  imple- 
mented with  12-bit  DACs  is  shown  in  Figure  4.  At  the  ex- 
tremes of  the  input  code  range  the  total  output  power  is 
now  only  0.5dB  greater  with  respect  to  its  level  at  the  ba- 
lanced condition.  This  amount  of  output  variation  would 
be  acceptable  in  many  applications.  Certain  applications, 
however,  may  demand  better  performance  than  this. 


Figure  3.  Improved  Power  Splitter  Circuit 
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Figure  4.  Response  of  Figure  3  Using  12-Bit  DACs 
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HIGHER  PERFORMANCE  POWER  SPLITTER 

A  higher  performance  power  splitter  circuit  can  be  built  by 
adding  some  gain  around  the  CMOS  DACs  of  Figure  3. 
The  gain  factor  required  is  equal  to  V2. 

In  order  to  provide  a  DAC  output  voltage  which  is  V2 
times  greater  than  normal,  the  effective  value  of  the  feed- 
back resistor  must  be  made  equal  to  V2  times  the  DAC 
ladder  impedance  Rdac-  Reference  1  outlines  how  addi- 
tional gain  can  be  added  to  the  standard  configuration 
without  requiring  a  large  gain  adjustment  range  or  com- 
promising the  circuit's  temperature  coefficient.  The  cir- 
cuit configuration  of  Figure  5  provides  the  additional  V2 
gain  factor.  Resistors  R1,  R2  and  R3  should  have  similar 
temperature  coefficients,  but  they  need  not  match  the 
temperature  coefficient  of  the  DAC.  The  three  resistors 
are  precision  (0.1%)  metal  film  resistors  with  standard 
EIA/MIL  values.  When  both  DAC  circuits  of  Figure  3  are 
changed  to  include  the  gain  resistors  of  Figure  5,  the  out- 
put voltage  expressions  for  the  two  channels  become: 


Figure  5.  Additional  Resistors  to  Provide  V2  Gain  Factor 


-V2-DA-V|N 
1  +  V2-DA 

-V2-DB-V|N 
1  +  V2-D- 


(6) 


(7) 


The  performance  of  the  revised  circuit  is  shown  in  Figure 
6.  The  total  power  output  at  either  extreme  of  the  input 
code  range  is  equal  to  the  total  power  output  at  the  ba- 
lanced condition.  The  output  power  level  remains  con- 
stant within  a  ±0.1dB  error  band.  With  the  exception 
of  R1,  R2  and  R3,  all  resistors  are  metal  film,  10kO,  1% 
tolerance. 
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Figure  6.  Response  of  Figure  3  Using  V5  Gain  Factor 
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possible  in  non-microprocessor-based  systems  to  per- 
form the  2's  complement  operation  with  dedicated  hard- 
ware. If  either  of  these  approaches  are  unsuitable,  for 
whatever  reason,  it  is  still  possible  to  build  a  power  split- 
ter circuit  by  rewiring  one  of  the  DAC  channels  and  driving 
both  DACs  with  identical  data.  Figure  7  shows  the  rewir- 
ing and  the  additional  circuitry  required  to  achieve  this. 


* 


-(1-D)-V,N 

VOUTB  


The  performance  of  Figure  7  is  identical  to  that  of  Figure 
3.  Additionally,  the  circuit  performance  can  be  upgraded 
in  a  similar  fashion  as  previously  described  for  Figure  5. 


- 

■ 


Figure  7.  Power  Splitter  Circuit  with  Identical  DAC  Data,  N 
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Interfacing  Two  16-Bit  AD1856  (AD1851)  Audio 
DACs  with  the  Philips  SAA7220  Digital  Filter 

by  Kevin  Greene 


INTRODUCTION 

The  AD1856  is  a  complete  16-bit  DAC  used  primarily  for 
digital  audio  applications.  The  AD1851  is  a  lower  noise, 
second  generation  version  of  the  AD1856.  Each  device 
provides  a  voltage  output  amplifier,  16-bit  DAC,  16-bit 
serial-to-parallel  input  register,  and  voltage  reference. 
The  AD1856  is  specified  to  operate  with  ±5  V  to  ±12  V 
supplies  and  achieves  a  maximum  of  0.0025%  total  har- 
monic distortion  (THD).  The  AD1851  operates  with  ±5  V 
supplies  and  has  a  maximum  of  0.004%  total  harmonic 
distortion  +  noise  (THD  +  N),  and  a  signal-to-noise  ratio 
(SNR)  of  at  least  107  dB.  Their  performance  and  ease  of 
use  make  the  AD1856/AD1851  popular  choices  for  16-bit 
audio  designs. 

The  Philips  SAA7220  is  a  4x  oversampling  digital  inter- 
polating filter.  Some  listeners  prefer  the  sound  quality  of 
this  filter  over  other  digital  filters  on  the  market.  The 
SAA7220  features  attenuation  correction  in  the  audio 
passband.  Other  digital  filters  typically  do  not  incorpo- 
rate this  feature  making  it  difficult,  if  not  impossible,  to 
achieve  a  flat  frequency  response  using  a  Butterworth  or 
Bessel  filter.  These  features  make  the  SAA7220  a  popu- 
lar choice  for  system  designers. 

The  combination  of  the  AD1856/AD1851  with  the 
SAA7220  yields  a  system  with  very  low  THD  +  N  and  an 
excellent  SNR.  If  a  Bessel  (also  known  as  Thompson) 
filter  is  used,  the  transient  response  will  be  exceptional 
as  well.  Figure  1  shows  a  block  diagram  of  the  system. 
Unfortunately,  the  output  interface  of  the  SAA7220  is 
compatible  with  l2S  format,  while  the  AD1856/AD1851 
has  a  standard  3-line  interface. 


DIGITAL 
FILTER 


DAC 

ANALOG 

FILTER 

INTERFACE 


INTERFACE 

The  interface  needs  to  take  the  SAA7220  output,  which 
conforms  to  l2S  format  (see  Figure  2a),  and  modify  it  to 
match  the  input  requirements  of  the  AD1856/AD1851.  i 

k  jijmjWLjimRnnjijmniiJW 
~»  oeeocxx)oooooooooae0 

WSBD  |  LEFT  |  RIGHT 

Figure  2a.  Output  of  SAA7220 

Three  signals  must  be  present  for  proper  operation  of 
the  AD1856/AD1851 :  Data,  Clock,  and  Latch  Enable. 
These  signals  are  shown  in  Figure  2b.  Bringing  Latch 
Enable  low  after  the  least  significant  bit  of  any  word 
latches  the  previous  16  bits  and  starts  the  conversion. 

m  imniumjuuuuumimimsw 
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Figure  2b.  Signal  Requirements  for  AD1856  (AD1851) 

In  order  for  the  AD1856/AD1851  to  be  compatible  with 
the  SAA7220,  the  interface  must  delay  the  WSBD  line  by 
one  clock  cycle,  gate  the  clock  on  the  left  channel,  and 
simultaneously  latch  both  DACs  to  eliminate  any  phase 
shifts  between  channels.  A  quad  NAND  gate  and  a  dual 
D  flip-flop  accomplish  this  as  shown  in  Figure  3. 


ANALOG 
FILTER 


Figure  7,  Block  Diagram  of  System 
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Figure  3.  Interface  of  the  SAA7220  andAD1856  (AD1851) 
CIRCUIT  DESCRIPTION 

Data  bits  are  valid  on  the  negative  edge  of  the  clock.  The 
D  flip-flops  are  positive-edge  triggered,  therefore  one 
NAND  gate  (U3a)  is  used  to  invert  the  clock  to  the  flip- 
flops.  Referring  to  Figure  2a,  WSBD  goes  low  one  clock 
cycle  prior  to  the  LSB.  Figure  2b  shows  LATCH  going 
low  after  the  LSB.  The  flip-flops  delay  WSBD  by  one 
clock  cycle,  similar  to  a  shift  register,  to  correct  this 
mismatch.  The  other  two  NAND  gates  (U3b  and  U3c)  are 
used  to  form  an  AND  gate  to  gate  the  clock  to  the  left 
channel  DAC  (U5).  The  SAA7220  transmits  serial  data, 
left  channel  first,  followed  by  right  data.  WSBD  is  low 
during  left  data  transmission.  Using  Q  of  U2b,  the  AND 
gate  is  "on"  during  the  left  data  transmission.  Therefore 
both  DACs  clock  in  the  16  left  channel  bits.  During  the 
transmission  of  right  data,  WSBD  goes  high  (Q  goes 
low),  turning  "off"  the  clock  to  U5.  Only  the  right  chan- 
nel (U4)  clocks  in  the  right  data.  After  the  LSB  of  right 
data  is  clocked  into  U4,  both  DACs  can  be  simulta- 
neously latched  from  the  Q  output  of  U2b. 

PASSBAND  ATTENUATION 

All  ripple-free  low-pass  filters  have  attenuation  in  the 
passband  similar  to  Figure  4a.  Typically,  the  corner  fre- 
quency is  approximately  30  kHz  for  many  audio  circuits. 
This  results  in  signal  attenuation  at  20  kHz.  The  SAA7220 
provides  1.0  dB  of  digital  pre-emphasis  in  the  20  kHz 
passband  with  attenuation  in  the  stopband  as  shown  in 
Figure  4b.  If  the  analog  filter  is  designed  such  that  the 
magnitude  is  1  dB  down  at  20  kHz,  the  combined  re- 
sponse will  theoretically  be  flat  in  the  passband  as 
shown  in  Figure  4c. 


10  20 
FREQUENCY  -  kHz 

Figure  4a.  Analog  Filter  Response 


10  20 
FREQUENCY  -  kHz 

Figure  4b.  Digital  Filter  Response 


Figure  4c.  Combined  Response 

Normally,  Chebyshev  or  Elliptic  filters,  with  very  low 
ripple,  would  be  required  to  achieve  a  flat  response. 
However,  these  filters  inherently  have  a  poor  transient 
response.  A  Bessel  filter,  which  is  optimized  for  linear 
phase,  has  essentially  no  overshoot  or  ringing  associ- 
ated with  its  step  response.  Additionally,  the  impulse 
response  lacks  oscillatory  behavior.  The  Elliptic,  Cheby- 
shev, and  even  Butterworth  filters  all  suffer  from  these 
shortcomings.  The  improvement  in  the  transient  re- 
sponse reduces  the  distortion  of  the  overall  circuit. 
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Figure  5  shows  one  such  Bessel  filter  architecture.  It's  a 
3rd  order  Sallen  and  Key  filter  with  the  -1  dB  point  of 
about  20  kHz.  An  advantage  of  this  filter  is  that  it  uses 
only  one  op  amp  which  reduces  the  component  cost.  A 
disadvantage  is  that  the  sensitivity  (the  change  in  mag- 
nitude to  variations  in  the  component  values)  increases 
dramatically  as  the  order  of  the  filter  increases.  The 
sensitivity  of  a  third  order  filter  is  usually  acceptable. 
Additionally,  the  capacitor  values  need  to  be  modified  to 
match  available  values.  This  causes  the  filter  to  roll-off 
slightly  more  than  1  dB  at  20  kHz.  Another  design  possi- 
bility is  to  use  two  op  amps,  cascading  a  two-pole  filter 
and  a  one-pole  filter.  This  would  reduce  the  sensitivity  of 
the  filter  and  possibly  achieve  a  more  accurate  -1  dB 
point. 
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Figure  5.  3rd  Order  Bessel  Filter 


RESULTS 

By  combining  the  SAA7220's  digital  filter,  the  AD1856 
(or  even  better,  the  AD1851I,  and  a  Bessel  filter,  an 
excellent  system  can  be  achieved.  The  result  is  a  circuit 
with  THD  -  N  and  SNR  specifications  comparable  to  the 
highest  quality  systems  using  Butterworth  or  Bessel  fil- 
ters, but  additionally  offering  the  flat  frequency  re- 
sponse of  a  system  using  a  Chebyshev  or  Elliptic  filter. 
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ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Generate  4  Channels  of  Analog  Output  Using  AD7542  12-Bit  D/A  Converters  and 

Control  the  Lot  with  Only  Two  Wires 


by  John  Wynne 


This  application  note  describes  how  a  Universal  Asyn- 
chronous Receiver  Transmitter  (UART)  can  be  configured 
to  drive  four  AD7542  12-bit  D/A  converters.  The  AD7542 
is  ideal  in  this  application  because  of  its  data  loading 
structure.  The  functional  diagram  of  Figure  1  shows  the 
AD7542  to  consist  of  three  4-bit  data  registers,  a  12-bit 
DAC  register,  address  decoding  logic  and  a  12-bit  multi- 
plying DAC.  Data  is  loaded  into  the  data  registers  in  three 
nMOfto  nsBd  9V6<  t ,  v 

I  ^  


Figure  7.  AD7542  Functional  Block  Diagram 


4-bit  nibbles,  and  subsequently  transferred  to  the  12-bit 
DAC  register.  These  data  move  operations  are  controlled 
by  the  address  inputs  AO  and  A1.  Each  character  received 
by  the  UART  contains  one  4-bit  nibble  of  data  and  four  bits  ■ 
of  associated  control  information. 

A  block  diagram  of  the  circuit  is  shown  in  Figure  2.  All  data 
and  control  signals  pass  over  one  opto-coupler  allowing 
very  simple  wiring  between  a  host  processor  and  remote 
analog  output  channels.  The  power  consumption  of  the 
complete  circuit  is  kept  very  low  due  to  the  fact  that  every 
active  component  in  the  circuit  is  constructed  with  either 
CMOS  or  low  power  Bifet  technology. 

SERIAL  DATA  FORMAT 

The  format  of  the  serial  data  used  by  the  receiving  IM6402 
is  shown  in  Figure  3.  This  consists  of  one  start  bit,  eight 
data  bits  (LSB  first)  and  two  stop  bits.  Transmission  may 
be  either  from  another  UART  or  directly  from  a  micro- 
computer. Many  modern  microcomputers  have  dedi- 
cated serial  input/output  ports  which  can  be  used  for 
transmission.  However,  small  variations  between 
microcomputers  do  exist  and  so  it  will  be  necessary  to 
tailor  the  receiving  UART  to  allow  different  formats  to  be 
accommodated. 
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Figure  2.  Block  Diagram  of  Circuit 
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Figure  3.  Serial  Data  Format 


EE 


CHANNEL  SELECT  ADDRESS 


4-BITS  Of  CONVERSION  DATA 


Figure  4.  Breakout  of  the  8-Bit  Character  Received  by  the  UART 

As  a  character  is  received  at  the  UART,  the  start  and  stop 
bits  are  stripped  off  and  the  data  is  transferred  to  the  Re- 
ceiver Buffer  Register.  A  high  level  on  the  Data  Received 
(DR)  pin  indicates  that  a  new  character  has  been  received. 
Each  8-bit  wide  character  contains  4-bits  of  conversion 
data  and  4-bits  of  control  data.  A  detailed  functional 
breakout  of  each  bit  in  the  8-bit  wide  character  is  shown 
in  Figure  4. 

The  two  most  significant  bits  go  to  the  decoder  to  select 
one  of  the  four  DACs  to  be  updated.  Character  bits  RBR6 
and  RBR5  go  to  address  inputs  A1,  AO  respectively  of  each 
DAC  to  select  one  of  the  internal  registers  for  a  data  move 
operation.  The  four  least  significant  bits  (RBR4  -  RBR1) 
contain  the  data  to  be  loaded  to  one  of  the  4-bit  nibble 
registers. 

The  simple  1 -of-4  decoder  is  shown  in  Figure  5.  The  truth 
table  is  shown  in  Table  I.  The  four  decoded  outputs  go  to 
the  Chip  Select  (CS)  inputs  of  the  DACs.  This  signal  must 
be  lowfor  a  data  move  operation  to  occur. 


Figures.  Channel  Select  Decoder 
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The  final  signal  which  the  DACs  require  is  a  Write  (WR) 
pulse  tocontrol  DAC  loading.  This  signal  is  common  to  all 
four  DACs  and  is  generated  by  means  of  the  Data  Re- 
ceived (DR)  output  (see  Figure  6).  As  previously  men- 
tioned, a  high  level  on  the  DR  pin  indicates  that  a  new 
character  has  been  received  by  the  UART.  The  combina- 
tion of  the  CMOS  inverters  and  the  resistor-capacitor  net- 
works of  Figure  6  produces  a  delayed  low-going  signal  on 
the  Data  Received  Reset  (DRR)  input.  This  clears  the  DR 
output  low  which  in  turn  drives  the  DRR  input  high  again. 
This  low-going  pulse  on  the  DRR  input  (equal  to  the  width 
of  the  delay)  is  used  as  the  WR  pulse  for  the  DACs. 


V. 


Figure  6.  Write  Pulse  Generator  Circuit 

The  complete  circuit  is  shown  in  Figure  7.  The  op- 
tocoupler  used  is  a  high  speed  HCPL-2530  manufactured 
by  Hewlett  Packard.  The  Receiver  Register  Clock  (RRC)  is 
generated  by  the  ICM7555,  a  low  power  CMOS  version  of 
the  popular  555  timer.  Note  that  this  clock  rate  must  be  16 
times  the  receiver  baud  rate.  The  values  of  the  timing 
components,  RA,  RB  and  C  in  Figure  7,  have  been  chosen 
for  a  9600  baud  rate.  The  10k  ohms  potentiometer  should 
be  adjusted  (adjusted  value  is  approximately  9k  ohms) 
until  the  RRC  frequency  is  153.6kHz.  The  published  re- 
lationship between  the  timing  components  and  the  gen- 
erated clock  frequency  on  the  RRC  input  is 


ffJLK  = : 


1.46 


(RA  +  2RB)C 

In  practice  this  relationship  is  valid  only  at  low  frequen- 
cies. At  the  required  RRC  clock  frequency  the  measured 
frequency  was  typically  30%  lower  than  the  calculated  fre- 
quency. Different  baud  rates  can  be  accommodated  by 
changing  the  timing  components. 

DAC  OUTPUT  CIRCUITRY 

Note  that  each  DAC  of  Figure  7  is  configured  for  Unipolar 
Binary  Operation.  This  configuration  provides  straight 
(binarily-related)  attenuation  of  the  input  reference  sig- 
nal, which  can  be  either  a.c.  or  d.c,  current  or  voltage.  The 
application  examples  shown  in  the  following  section  use 
this  mode  with  a  fixed  -  10V  reference  to  the  four  DACs. 
Other  modes  of  operation  of  an  AD7542  are  possible,  for 
instance,  4-quadrant  multiplication  or  even  single  supply 
operation.  The  availability  or  otherwise  of  suitable  power 
supplies  at  the  remote  location  determines  the  output 
voltage  ranges  and  DAC  configurations  which  are  possi- 
ble. For  the  application  examples  a  remote  power  supply 
of  ±  15V  is  required.  For  information  on  these  other  DAC 
configurations  the  reader  is  referred  to  the  AD7542 
data  sheet  and  to  Ref  [1,2],  all  of  which  are  available  from 
Analog  Devices. 


Table  I.  Truth  Table  for  Figure  5  Decoder 
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Figure  7.  Detailed  Circuit  Diagram 


THE  SOFTWARE  INTERFACE 

Before  data  transmission  can  occur  the  4-bits  of  conver- 
sion data  must  be  packed  with  the  proper  4-bits  of  control 
data  to  form  an  8-bit  character.  This  character  is  then 
passed  to  the  transmitter  for  serial  transmission.  If  the 
transmitter  is  a  UART  similar  to  the  receiving  one,  the  8- 
bit  character  need  only  be  written  into  the  UARTs  transmit 
register  and  the  UART  commanded  to  transmit.  Start  and 
stop  bits  are  automatically  added  by  the  UART  itself.  If  the 
transmitter  is  based  upon  a  microprocessor  then  some 
extra  software  is  required  to  supervise  the  serial  transmis- 
sion. An  example  is  given  which  loads  12-bits  of  data  to 
one  of  the  four  DACs  and  immediately  updates  the  analog 
output.  This  involves  transmitting  four  characters  se- 


quentially to  the  addressed  DAC,  i.e.,  the  3  data  nibbles 
and  the  load  DAC  register  command.  The  software  is  writ- 
ten in  the  form  of  nested  subroutines;  the  first,  called 
PACK,  assembles  the  8-bit  character  prior  to  transmis- 
sion; the  second,  called  XMIT,  transmits  this  character 
with  the  necessary  start  and  stop  bits;  the  final  one,  called 
DELAY,  determines  the  baud  rate.  The  sequence  of  events 
in  the  PACK  subroutine  are  shown  in  Figure  8  with  the  ac- 
tual program  listing  shown  in  Table  II.  The  other  routines 
are  discussed  in  Appendix  A1.  The  PACK  routine  of  Figure 
8  ensures  four  characters  are  sequentially  sent.  It  can  be 
considerably  simplified  to  allow  single  4-bit  data  loading 
to  any  AD7542  register  and  also  to  defer  updating  of  a 
DAC's  analog  output  until  required. 
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Figures.  Sequence  of  Events  in  Pack  Routine 

The  microprocessor  used  in  the  example  is  an  Intel  8085A. 
New  1 2-bit  data  to  be  written  to  a  DAC  is  stored  in  memory 
locations  XXYY  and  XXYY  +  1.  The  four  most  significant 
bits  are  assumed  to  occupy  the  lower  half  of  XXYY  +  1. 
Register  pair  HL  acts  as  a  pointer  and  allows  the  12-bit 
data  to  be  passed  from  the  main  user  program  to  the 
nested  subroutines.  In  the  program  listing  of  Table  II,  loca- 
tion 2070H  is  used  for  XXYY.  Register  D  is  used  as  a 
counter  to  ensure  that  four  characters  have  been  sent.  The 
two  most  significant  bits  of  Register  E  contain  the  channel 
address.  The  channel  address  is  loaded  into  Register  E  be- 
fore the  program  enters  the  nested  subroutines  and  does 
not  change  during  the  program  execution. 

The  next  two  most  significant  bits  of  Register  E  contain 
the  AD7542  register  address.  Accumulator  A  is  used  to 
combine  the  conversion  data  loaded  from  XXYY  (or  XXYY 
+  1)  with  the  control  data  of  Register  E.  The  combined 
word  is  then  moved  to  Register  C.  Register  C  is  used  to 
pass  the  8-bit  character  from  the  PACK  subroutine  to  the 
XMIT  subroutine.  To  completely  update  the  four  channels 
requires  16  characters  to  be  transmitted.  Table  III  shows 
the  truth  table  for  the  control  portion  of  the  8-bit  character. 
The  two  most  significant  bits  of  the  character  determine 
which  channel  is  to  be  updated.  Before  calling  the  PACK 
subroutine  to  transmit  new  data,  the  user  must  first  in- 


itialize the  E  Register  with  the  proper  channel  address.  For 
instance 

MVI  E,00 

CALL PACK 

addresses  channel  1 .  The  other  channels  are  similarly  ad- 
dressed; the  E  Register  being  loaded  with  40H  for  channel 
2, 80H  for  channel  3  and  COH  for  channel  4. 


LOCATION 

OP  CODE 

MNEMONIC  STATEMENT 

2044  PACK 

1605 

MVI  D,05 

Load  05  into  Loop 
Counter 

2046 

217020 

LXIHL2070 

Load  2070  into 
HL  Pointer 

2049 

7E 

MOVA,M 

Fetch  Conversion 
Data 

204A 

E60F 

ANIOF 

Combine  Con- 
version Data  and 
Control  Data 

204C 

B3 

ORAE 

2040 

4F 

MOVCA 

New  Character 

Readyfor 

Transmission 

204E 

CD  00  20 

CALL  2000 

Call  XMIT 
Routins 

2051 

1 9 

ucorciTieriL  uoop 
Counter 

2052 

C8 

R7 

Finished? 

in 

OC  1  u 

MVI  A,  10 

Increment  DAC 
Register  Address 

2055 

83 

ADDE 

2056 

5F 

MOVE,A 

2057 

7A 

MOVA.D 

Check  that  LOW- 

dilu  IVIIL/~Dyica 

Have  Been  Sent 

2058 

C600 

ADI 00 

205A 

EA6520 

IPF  90fiR 

205D 

MOV  A  M 

rciun  v^unvcr- 
sion  Data 

205E 

OF 

RRC 

Swop  Upper  and 
Lower  4-Bits 
ofACC 

205F 
2060 

OF 
OF 

RRC 
RRC 

2061 

OF 

RRC 

2062 

C34A20 

JMP204A 

2065 

23 

INXH 

Increment 
Pointer 

2066 

15 

DCRD 

2067 

C349  20 

JMP2049 

Table  II.  Program  Listing  for  PA  CK  Routine 
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CHARACTER  TO  BE 
TRANSMITTED 


HEX 
EQUIVALENT 


CONTROL 


DATA 


i 

i 


MSB 

0  0  0  0 

0  0  0  1 

0  0  10 

0  0  11 

0  10  0 

0  10  1 

0  110 

0  111 

10  0  0 

10  0  1 

10  10 

10  11 

110  0 
110  1 
1110 

1111 


X 
X 
X 
X 

X 
X 
X 
X 

X 
X 
X 
X 

X 
X 
X 
X 


X 
X 
X 
X 

X 
X 
X 
X 

X 
X 
X 
X 

X 
X 
X 
X 


LSB 

X 
X 
X 
X 

X 
X 
X 
X 

X 
X 
X 
X 

X 
X 
X 
X 


ox 

1X 
2X 
3X 

4X 

5X 
6X 
7X 

8X 
9X 
AX 
BX 

cx 

DX 
EX 
FX 


Table  III.  Truth  Table  For  Control  Data 


DAC 1  Low-Byte  Register 
DAC 1  Mid-Byte  Register 
DAC  1  High-Byte  Register 
DAC  1  DAC  Register 

DAC  2  Low-Byte  Register 
DAC  2  Mid-Byte  Register 
DAC  2  High-Byte  Register 
DAC  2  DAC  Register 

DAC  3  Low-Byte  Register 
DAC3  Mid-Byte  Register 
DAC  3  High-Byte  Register 
DAC  3  DAC  Register 

DAC  4  Low-Byte  Register 
DAC  4  Mid-Byte  Register 
DAC  4  High-Byte  Register 
DAC  4  DAC  Register 


APPENDIX  A1 

A  simple  latch  is  all  that  is  required  with  the8085Ato  gen- 
erate the  serial  out  stream  (see  Figure  A1 ).  In  practice  the 
least  significant  bit  of  a  spare  I/O  port  (Port  A)  on  an  8355 
was  used  as  the  serial  out  pin.  This  port  was  designated 
Port  00.  The  sequence  of  events  for  the  XMIT  routine  is 
shown  in  Figure  A2  and  the  corresponding  program  ap- 
pears in  Table  Al. 


8085A 

N 

DECODE 

0addressb5!U 

V 

EN 
LATCH 

LSB  OF  DEMULTIPLEXED 
DATA  BUS,  ADO 

Figure  A 1.  Serial  Out  Generator 


The  XMIT  subroutine  is  entered  with  the  character  to  be 
transmitted  contained  in  register  C.  A  bit  counter  is  set  to 
1110and  is  decremented  as  each  bit  is  transmitted.  The  11 
bits  are  made  up  of  1  start  bit,  8  data  bits  and  2  stop  bits. 
The  DELAY  subroutine  is  called  after  each  bit  is  transmit- 
ted (see  Table  All).  By  varying  the  length  of  the  delay  dif- 
ferent transmission  rates  can  be  achieved.  For  a  rate  of 
9600  bits/second,  "XX"  in  the  delay  subroutine  was  set  to 
11H  (1710).  With  this  baud  rate  872.7  11 -bit  characters  per 
second  are  transmitted  giving  a  true  data  rate  of  6981.6 
bits/second.  At  this  speed  an  analog  output  can  be  up- 
dated in  4.5mS.  Table  AMI  shows  the  baud  rates  obtained 
for  different  values  of  "XX"  with  an  8085A  clock  fre- 
quency of  3.1  MHz.  Some  provision  should  be  made  to 
allow  the  UART  to  clock  itself  out  of  an  error  condition. 
This  could  arise  if  the  serial  transmission  link  is  broken  or 
on  power-up  of  the  remote  circuit.  This  requirement  is 
met  if,  after  transmitting  four  characters  to  one  DAC, 
transmission  ceases  for  a  period  equal  to  the  time  taken 


LOCATION 

2000  XMIT 

2002 

2004 

2006 

2007 

2008 

2009 

200B 

200E 

200F 

2010 

2011 

2014 


OPCODE 

06  B 

3E  FF 

D302 

79 

B7 

17 

D300 
CD  20  20 
1F 
37 
05 

C20920 
C9 


MNEMONIC 

MVI  B,  B 

MVIA,  FF 

OUT  02 

MOVA.C 

ORAA 

RAL 

OUT  00 

CALL  2020 

RAR 

STC 

DCRB 

JNZ2009 

RET 


STATEMENT 

Set  Bit  Counterto  11 
Initialize  Port  00  as  Output 

Fetch  Character 
ClearCarry 

Send  to  Port 

Call  DELAY  Routine 

Rotate  Next  Bit 


Finished? 
Return 


Table  Al.  Program  Listing  for  XMIT  Routine 
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to  transmit  a  single  character.  During  this  time  the  serial 
data  line  must  beheld  high  to  hold  the  RRI  input  high.  This 
happens  automatically  in  fact,  since  at  the  end  of  each 
character  the  line  goes  high  for  the  stop  bit  and  remains 
high  until  the  low  start  bit  of  the  next  character  occurs. 


LOCATION 

2020  DELAY 

2021 

2023 

2024 

2027 

2028 


OPCODE 

D5 

1EXX 
ID 

C2  23  20 

D1 

C9 


MNEMONIC 

PUSH  DE 

MVI  E.XX 

DCRE 

JNZ2023 

POPDE 

RET 


STATEMENT 

Save  DE  on  Stack 

Load  Required  Baud  Rate 

Delay 

Finished? 

Pop  DE  from  Stack 

Return 


Table  All.  Program  Listing  forDELA  Y Routine 


BAUD  RATE 

9600  bits/sec 
4800  bits/sec 
2400  bits/sec 
1200  bits/sec 


"XX" 

11H 

27H 
56H 
BOH 


Table  Alll.  Baud  Rate  Variation  vs.  XX  for  Delay  Routine 
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Figure  A2.  Sequence  of  Events  in  XMIT  Routine 
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Dynamic  Performance  of  CMOS  DACs  in  Modem  Applications 


by  Mike  Curtin  and  Matt  Smith 


INTRODUCTION 

In  the  new  high-speed  modems  manufactured  to  meet  the 
V.32  and  V.33  standards,  it  is  of  prime  importance  to  be 
able  to  produce  a  high-quality  carrier  signal.  The  D/A  con- 
verter used  to  produce  this  needs  excellent  dynamic  char- 
acteristics; harmonic  distortion  must  be  typically  less 
than  -  70dB.  This  application  note  evaluates  three  Analog 
Devices  CMOS  DACs  when  used  in  this  application.  It  ex- 
plains how  to  get  the  best  performance  from  each  DAC 
and  looks  at  the  requirements  for  deglitchers.  The  note  is 
intended  to  provide  the  information  necessary  for 
modem  designers  to  evaluate  these  DACs  and  assess 
their  suitability  for  particular  systems. 

TEST  CIRCUIT  AND  CONDITIONS 

In  both  the  V.32  and  V.33  standards,  the  carrier  signal  fre- 
quency is  1800Hz.  The  D/A  converter  digitally  constructs 
a  composite  signal  with  update  rates  of  9.6kHz  in  V.32  sys- 


tems and  14.4kHz  in  V.33  systems.  One  of  the  fall  back 
rates  for  both  standards  is  7.2kHz.  Figure  1  shows  the  test 
circuit  used  to  evaluate  the  distortion  performance  of  the 
DACs.  The  system  generates  an  1800Hz  sine  wave  using 
the  three  DAC  update  rates  already  mentioned  (14.4kHz, 
9.6kHz  and  7.2kHz).  To  do  this  the  HP300  Series  computer 
generates  the  digital  values  for  the  sine  wave  based  upon 
the  output  frequency  and  the  update  frequency.  These  are 
then  loaded  into  RAM.  When  the  timing  control  logic 
block  is  activated,  it  sequences  through  the  RAM  at  the 
predetermined  update  rate  and  loads  the  digital  words 
into  the  DAC  to  produce  the  1 800Hz  sine  wave. 

This  is  then  fed  into  the  spectrum  analyzer  via  the  de- 
glitcher  which  may  or  may  not  be  used  depending  on  the 
glitch  performance  of  the  DAC  under  test.  The  spectrum 
analyzer  shows  the  spectral  content  of  the  output  sine 
wave,  and  output  distortion  can  be  calculated  from  this. 


CONTRi 


:OL 


1 


HP300 
COMPUTER 
GPIO 


3_Z£ 


BUFFER 


PROGRAM- 

N 

MABLE 

RAM 

COUNTER 

V 

D/A 
CONVERTER 
UNDER 
TEST 


I  "I 

I  ' 
l  I 
M      DE-  i— 
IGLITCHER, 

!  1 
I  I 
I   I 


SPECTRUM 
ANALYZER 


TIMING  AND 
CONTROL  LOCK 


CRYSTAL 

CONTROLLED 

CLOCK 


Figure  7.  Harmonic  Distortion  Test  Circuit 
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DEGLITCHER 

When  the  code  changes  in  a  current-steering  CMOS  DAC, 
there  is  a  capacitive  coupling  of  charge  across  the 
switches  in  the  DAC.  This  causes  an  injection  of  charge 
into  the  Iout  line  which  in  turn  causes  a  voltage  spike  or 
glitch  to  appear  at  the  output  of  the  current  to  voltage 
amplifier.  When  the  DAC  is  being  used  in  sine  wave  con- 
struction, the  presence  of  these  output  glitches  results  in 
increased  harmonic  distortion.  This  harmonic  distortion 
increases  as  the  glitches  increase. 


AD7537/AD7547  In  Current-Steering  Mode 

The  AD7537/AD7547  are  dual  12-bit  DACs,  packaged  in 
narrow  0.3",  24-pin  DIPs  or  28-terminal  LCCCs  and  PLCCs. 
Power  consumption  is  low  UOOmW  typical).  The  only  dif- 
ference between  the  two  devices  is  in  their  loading  struc- 
tures. The  AD7547  has  a  12-bit  parallel  structure  while  the 
AD7537  has  (8  +  4)  loading.  Figure  4  shows  the  AD7537/ 
AD7547  set  up  in  the  standard  current  mode  for  ±5V  out- 
put. This  circuit  is  used  with  the  system  of  Figure  1  to  pro- 
duce an  output  sine  wave  with  10V  pk-pk  amplitude  and 
1800Hz  frequency. 


'METAL  FILM  RESISTORS 
1%  TOLERANCE. 

6  FROM  TIMING  AND  CONTROL  LOGIC 

Figure  2.  Deglitcher  Circuit 


DAC 

UPDATE 

SIGNAL 

SWITCH" 
DRIVE 
SIGNAL 
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Figure  3.  Deglitcher  Timing 


In  order  to  overcome  the  problems  caused  by  glitches,  it 
is  possible  to  use  a  deglitcher.  Such  a  circuit  is  shown  in 
Figure  2  with  its  timing  in  Figure  3.  The  digital  value 
loaded  to  the  DAC  changes  when  the  DAC  update  signal 
goes  low.  The  switch  in  the  deglitcher  is  turned  on  20p.s 
after  this,  causing  V,N  to  be  sampled.  This  delay  allows 
plenty  of  time  for  the  DAC  output  to  settle.  The  deglitcher 
samples  for  15|xs  before  going  back  into  hold  and  waiting 
for  the  next  DAC  update.  At  the  slowest  sampling  rate  of 
7.2kHz  this  means  that  the  signal  must  be  held  for  up  to 
1  25lls.  This  presents  no  problems  for  the  circuit.  The  con- 
trol signal  for  the  deglitcher  can  be  derived  from  the  DAC 
update  signal  with  a  dual  monostable.  Alternatively,  if  a 
microcomputer  with  on-chip  timer-counter  is  used  to  load 
the  DAC,  then  the  deglitcher  control  signal  can  be  set  up 
as  an  output  from  the  controller. 

The  deglitcher  of  Figure  2  is  used  in  some  of  the  following 
circuits  with  excellent  results.  It  is  up  to  the  system  de- 
signer to  decide  if  he  can  achieve  acceptable  performance 
without  the  deglitcher.  The  results  given  in  this  applica- 
tion notewillhelpin  making  this  decision. 


±sv 

AD712  1800HI 
KM 


,„  NOTES 
■/z        'METAL  FILM  RESISTORS 
AD712      1%  TOLERANCE. 
KN  *CONTROLCIRCUITRY 

OMITTED  FOR  CLARITY. 


Figure  4.  AD7537/AD7547  in  Bipolar  Current-Steering 
Mode 


The  distortion  figures  for  this  circuit  at  the  three  update 
rates  (14.4kHz,  9.6kHz,  7.2kHz)  vary  from  -69dB  to 
-73dB.  This  is  shown  in  Table  f.  To  improve  on  this  you 
can  use  the  deglitcher  circuit  of  Figure  2.  This  cleans  up 
the  output  waveform  and  gives  improved  distortion  per- 
formance which  is  shown  in  Table  II.  The  improvement 
gained  by  using  the  deglitcher  is  about  10dB  which  shows 
that  the  glitches  in  the  DAC  have  a  considerable  effect  on 
the  ac  performance.  APPENDIX  A  contains  a  selection  of 
spectral  responses  obtained  with  different  circuits.  All  of 
those  shown  are  for  the  14.4kHz  sampling  frequency, 
making  comparisons  between  the  circuits  more  meaning- 
ful. Figures  A1  and  A2  show  the  spectral  responses  for 
Figure  4  with  and  without  the  deglitcher.  When  the  de- 
glitcher is  used,  the  level  of  the  2nd  harmonic  drops  from 
-70dBto  -90dB. 


Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 

-73 

-73 

9.6kHz 

-69 

-71 

14.4kHz 

-69 

-71 

Table  1.  Distortion  Performance  of  Circuit  in  Figure  4 

Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 

-85 

-85 

9.6kHz 

-78 

-86 

14.4kHz 

76 

-90 

7a6/e  //.  Distortion  when  Using  Deglitcher  of  Figure  2 
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AD7537/AD7547  in  Voltage-Switching  Mode 

Another  way  of  getting  improved  distortion  performance 
from  the  AD7537/AD7547  is  to  use  it  in  the  voltage- 
switching  mode.  Figure  5  shows  the  circuit  diagram.  The 
DAC  connections  have  now  been  reversed  with  the  refer- 
ence voltage  applied  to  the  Iouta  terminal,  AGNDA 
grounded  and  the  VREFA  terminal  as  the  output.  RFBa  is  not 
used  and  is  tied  to  Iouta  to  prevent  stray  pickup.  The 
glitches  at  the  output  of  this  circuit  are  much  smaller  than 
in  Figure  2.  The  point  where  the  glitches  appear  (Iout)  is 
now  connected  to  a  low  impedance  point  (AD580  output) 
which  can  absorb  the  current  glitches  without  producing 
voltage  spikes.  The  resulting  major-carry  glitches  from 
Figure  5  are  typically  20nV-secs  compared  to  200nV-secs 
for  Figure  4.  When  operating  in  the  voltage-switching 
mode,  the  DAC  linearity  degrades  as  the  reference  volt- 
age increases.  For  this  reason,  the  reference  input  in  Fig- 
ure 5  is  limited  to  +  2.5V,  giving  an  output  signal  of  ±2.5V. 


NOTES 

'METAL  FILM  RESISTORS 
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2C0NTROL  CIRCUITRY 
OMITTED  FOR  CLARITY. 


Figure  5.  AD7537/AD7547  in  the  Voltage  Switching 
Mode 

Table  III  shows  the  distortion  figures  for  the  voltage- 
switching  circuit.  The  results  are  the  same  both  with  and 
without  the  deglitcher  and  Figures  A3  and  A4  are  the 
spectral  responses  when  sampling  at  14.4kHz.  The  de- 
glitcher makes  no  difference  to  the  performance  of  this 
circuit,  verifying  the  absence  of  glitches  in  the  outputs. 
However,  if  you  compare  the  distortion  results  directly 
with  those  for  the  standard  current-steering  circuit  plus 
deglitcher,  you  can  see  there  is  a  slight  degradation. 
Though  the  glitches  are  much  smaller,  the  linearity  per- 
formance in  the  voltage  mode  is  degraded.  (See  the 
AD7537/AD7547  data  sheets  for  typical  performance.) 
This  degraded  linearity  will  increase  distortion  in  the  out- 
put signal.  The  distortion  figures  for  the  voltage-mode  cir- 
cuit are  still  better  than  -70dB  making  it  suitable  for 
many  modem  applications. 


Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 

-75 

-75 

9.6kHz 

-74 

-82 

14.4kHz 

-72 

-79 

Table  III.  Distortion  Performance  of  Figure  5  with  and 


AD7245/AD7248 

The  AD7245  and  AD7248  are  voltage-switching,  12-bit 
DACPORTs®.  Each  contains  a  reference,  12-bit  DAC  and 
output  amplifier.  They  differ  only  in  their  loading  struc- 
ture; the  AD7245  is  a  12-bit  parallel  load  device  while  the 
AD7248  has  a  byte  loading  structure.  When  connected  as 
in  Figure  6,  the  AD7245/AD7248  can  be  programmed  for 
a  sine  wave  output  as  previously  discussed.  The  output 
signal  range  is  ±5V. 
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'CONTROL  CIRCUITRY 
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I 

Figure  6.  AD7245/AD7248  Connected  for  Bipolar  ±5V 
Output 

Table  IV  shows  the  distortion  results  obtained  from  this 
circuit,  and  Figure  A5  is  the  spectral  response.  The  distor- 
tion is  caused  by  slew  rate  distortion  in  the  AD7245/ 
AD7248  output  amplifier.  If  the  deglitching,  circuit  of  Fig- 
ure 2  is  cascaded  with  Figure  6  and  used  as  a  sample/hold 
amplifier,  there  is  a  marked  improvement  in  performance. 
The  output  is  now  sampled  at  a  time  when  the  slew  rate 
effects  are  over  and  distortion  is  determined  by  the  SHA 
output  amplifier  (AD711).  The  distortion  results  with  this 
setup  are  shown  in  Table  V,  and  Figure  A6  shows  the 
spectral  response  for  the  14.4kHz- sampled  signal. 


Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 
9.6kHz 
14.4kHz 

-76 
-57 
-61 

-76 
-71 

Table  IV.  Distortion  of  AD7245/AD7248 in  Figure  6 

Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 
9.6kHz 
14.4kHz 

-82 
-74 
-75 

CM  CO  CM 
CO  CO  00 

I  I  I 

Table  V.  AD7245  AD7248  Distortion  Performance  Using 
Circuit  of  Figure  2 
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AD7S38  in  Current-Steering  Mode 

The  AD7538  is  a  14-bit  CMOS  DAC  and  is  of  interest  to  the 
designer  who  needs  somewhat  better  than  12-bit  system 
performance.  The  device  is  packaged  in  the  same  narrow 
24-pin  package  as  the  previous  DACs. 


Figure  7.  AD7538  in  Bipolar  Current-Steering  Mode 

Figure  7  shows  the  AD7538  in  the  standard  bipolar 
current-steering  configuration.  Table  VI  gives  the  dynam- 
ic performance  of  Figure  7  when  used  on  its  own  without 
a  deglitcher.  The  performance  is  a  reflection  of  the  larger 
D/A  glitch  impulse  which  this  part  exhibits  over  the  previ- 
ous 12-bit  devices.  When  the  deglitcher  of  Figure  2  is  used 
there  is  a  major  improvement  in  the  performance  as  can 
be  seen  from  Table  VII.  THD  is  now  down  to  a  level  of 
-86dBforthe  14.4kHz- sampled  signal.  Figure  A7  and  A8 
are  the  spectral  responses  for  Figure  7  with  and  without 
the  deglitcher. 


Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 

-56 

-56 

9.6kHz 

-57 

-65 

14.4kHz 

-54 

-57 

Table  VI.  Distortion  Performance  of  Figure  7 

Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 

-88 

-88 

9.6kHz 

-84 

-89 

14.4kHz 

-86 

-89 

 ' 

Table  VII.  Distortion  Performance  Using  Deglitcher 

AD7538  in  Voltage-Switching  Mode 

When  the  AD7538  is  operated  in  the  voltage  mode,  the  ref- 
erence driving  lOUT  must  have  extremely  good  dynamic 
characteristics  (i.e.,  response  to  a  changing  load).  The 
nominal  impedance  which  it  is  driving  is  6kn  and  this 
changes  with  the  DAC  code.  As  well  as  this,  the  glitches 
which  the  reference  must  absorb  at  I0ut  as  the  code 
changes  are  large.  The  AD580  is  not  capable  of  delivering 
this  performance  and  must  be  buffered  by  the  AD712 
shown  in  Figure  8.  The  distortion  results  are  in  Table  VIII. 
The  spectral  responses  for  Figure  8  are  shown  in  Appen- 
dix A.  Figure  A9  is  the  response  without  deglitching  and 
Figure  A10  is  the  response  with  deglitching. 


Figure  8.  AD7S38  in  the  Voltage  Switching  Mode 






Update  Rate 

Distortion  (dB) 

2nd  Harmonic  (dB) 

7.2kHz 

-75 

-75 

9.6kHz 

-75 

-79 

14.4kHz 

-72 

-78 

Table  VIII.  Distortion  Performance  of  Figure  8 


DISCUSSION  OF  RESULTS 

The  method  used  to  calculate  the  distortion  figures  for  the 
various  circuits  was  to  feed  the  digitally  constructed  sine 
wave  directly  into  the  spectrum  analyzer  without  any  fil- 
tering. Then,  the  distortion  was  calculated  as  the  rms  sum 
of  the  distortion  components.  This  may  seem  to  be  a 
somewhat  cumbersome  approach.  However,  if  a  distor- 
tion meter  was  used,  there  would  be  very  severe  output 
filtering  requirements.  For  example,  when  sampling  at 
7.2kHz,  even  if  we  wanted  to  measure  only  up  to  the  2nd 
harmonic  (3.6kHz),  a  filter  with  cutoff  at  3.6kHz  and  suffi- 
cient attenuation  at  7.2kHz  to  eliminate  the  clock  fre- 
quency would  be  necessary.  The  best  way  of  practically 
evaluating  the  circuit  distortion  is  to  use  the  spectrum 
analyzer.  For  each  of  the  update  rates,  components  up  to 
half  this  rate  were  summed  to  calculate  the  circuit  distor- 
tion. In  this  way,  all  harmonics  of  interest  are  included. 

In  practical  modem  systems,  the  output  signal  from  the 
D/A  converter  will  be  followed  by  a  filter  section.  This  low- 
pass  filter  will  nominally  have  a  cutoff  frequency  of  3.5kHz 
for  V.32  and  V.33  systems.  It  will  remove  clock  compo- 
nents and  other  unwanted  noise  from  the  carrier  signal. 
The  output  filter  will  also  attenuate  all  but  one  of  the 
harmonics  at  the  output.  The  one  that  does  not  get  attenu- 
ated is  the  2nd  harmonic  (3.6kHz)  and  so  it  is  of  special 
interest  to  the  modem  designer.  For  this  reason  the  2nd 
harmonic  in  each  of  the  circuits  tested  has  been  listed 
separately  in  the  tables. 

In  analyzing  the  performance  of  the  various  circuits,  the 
best  results  were  obtained  from  the  AD7537/AD7547  and 
AD7538  when  both  were  operated  in  the  current-steering 
mode  and  the  output  was  deglitched.  The  2nd  harmonic 
level  was  equal  for  both  of  these  (-89dB),  but  in  terms  of 
THD  the  AD7538  was  superior  ( -  86dB  versus  -76dB  for 
the  14.4kHz  sampled  circuit).  In  practical  terms  this  means 
that  if  the  system  designer  is  using  a  14.4kHz  clock-rate, 
his  filter  requirements  will  be  less  if  he  uses  the  AD7538. 
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Attenuation  of  the  higher  harmonics  isn't  as  critical  as 
with  the  AD7537/AD7547  and  so  a  lower  order  filter  is  pos- 
sible. If  the  designer  wants  to  eliminate  the  deglitcher, 
then  the  best  circuits  to  use  are  the  AD7537/AD7547  or  the 
AD7538  in  the  voltage-switching  mode.  Both  of  these  give 
good  results  with  a  THD  of  -  72dB  and  2nd  harmonic  level 
of  -78dB  in  the  14.4kHz  sampled  circuit. 

The  AD7245/AD7548  achieves  good  performance  when 
the  circuit  of  Figure  2  is  used  with  it  as  a  sample/hold.  It 
also  has  the  advantage  of  an  on-board  reference.  THD  for 
this  circuit  is  -75dB  and  the  2nd  harmonic  level  is 
-82dB. 

CONCLUSIONS 

Each  of  the  CMOS  DACs  discussed  in  this  application  note 


APPENDIX  A 

Spectral  Responses  of  Figures  4,  5,  6,  7  and  8. 
Fout  =  1800Hz.  Update  Rate  =  14.4kHz.  Responses  are 
shown  both  with  and  without  the  deglitcher  circuit  of 
Figure  2. 


is  capable  of  delivering  better  than  -70dB  distortion  per- 
formance when  synthesizing  an  1800Hz  signal  with  the 
stated  update  frequencies.  Some,  but  not  all,  of  the  DAC 
configurations  require  deglitching  to  achieve  this.  There 
are  varying  levels  of  performance  among  the  devices 
which  deliver  better  than  -70dB  THD,  ranging  from 
-  72dB  for  the  AD7537/AD7547  in  the  voltage  mode  with- 
out deglitching  to  -86dB  for  the  AD7538  in  the  current- 
steering  mode  with  a  deglitcher. 

It  should  be  remembered  that  the  results  contained  in  this 
application  note  are  typical  and  were  obtained  from  a 
range  of  devices  taken  randomly.  Several  production/fab- 
rication lots  were  sampled.  However,  the  results  are 
meant  to  show  typical  performance  only  and  do  not 
guarantee  that -    '  ~"  
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Figure  A  7.  Spectral  Response  of  Figure  4  (AD7537/ 
AD7547  in  Current-Steering  Mode)  without  Deglitcher 


Figure  A2.  Spectral  Response  of  Figure  4  with 
Deglitcher 
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Eight-Channel  CODEC  Applications 


Analog  Devices  Inc.  has  developed  a  CODEC  System  for 
the  purpose  of  demonstrating  its  use  in  a  shared-channel 
system.  These  circuits  provide  a  working  digital  transmission 
system  incorporating  eight  analog  input  channels  digitally 
interfacing  to  eight  output  channels.  The  circuit  design  was 
completed  so  that  a  single  analog  printed  circuit  board  could 
be  used  either  for  encoding  eight  channels  or  decoding  eight 
channels.  A  single  digital  timing  and  interface  board  is  used 
to  provide  system  clocks  and  the  parallel  digital  data  bus 
from  transmitter  to  receiver.  The  design  uses  pluggable  con- 
nections so  that,  if  desired,  the  encoding  portion  or  the  de- 
coding portion  of  the  system  can  be  tested  separately.  The 
user  need  only  provide  three  voltage  supplies  (±15VDC, 
+5VDC),  the  appropriate  filters  and  any  applicable  transmis- 
sion test  equipment. 


HARDWARE 

The  entire  eight-channel  system  consists  of  twenty-one  inte- 
grated circuits  mounted  on  three  printed  circuit  boards.  Two 
of  the  boards,  as  mentioned,  are  a  common  layout  which  is 
used  for  the  analog  functions  of  the  system.  The  analog 
board  used  for  the  encoder  (analog-to-digital  conversion) 
requires  the  addition  of  a  COMDAC®  (DAC-86,  89),  a  MUX- 
88,  a  SMP-81,  a  CMP-0T,  and  a  REF-02.  The  other  analog 
board  is  used  for  the  decoder  (digital-to-analog  conversion) 
with  the  addition  of  a  DAC-86,  MUX-88,  REF-02,  and  an 
OP-16.  The  general  schematic  and  parts  list  for  the  analog 
boards  are  shown  in  Figures  1  and  2. 

The  control  board  is  a  TTL  circuit  of  twelve  devices  designed 
to  provide  three  basic  functions:  a)  the  seccessive  approxi- 
mation register  with  interface  circuit  to  the  DAC-86,  b)  the 


Figure  1.  COMDAC®  Encoder/Decoder  Analog  Circuit  Board 

COMDAC  is  a  registered  trademark  of  Analog  Devices,  Inc. 
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Figure  2.  Parts  List  —  Analog  Board 

clock  for  the  encoder  circuit,  and  c)  the  digital  interface 
between  the  encode  and  decode  sections.  The  encoder  clock 
design  is  a  multiple  frequency  clock,  the  usefulness  of  which 


is  treated  in  a  later  section,  generated  from  a  programmable 
read-only  memory  frequency  divider.The  PROM  was  used  to 
provide  flexibility  in  changing  the  clock  waveforms  if  the  user 
so  wishes.  The  resultant  clock  waveforms  are  also  described 
later;  the  circuit  schematic  is  shown  in  Figures  3a  and  3b.  The 
PROM  data  is  listed  in  Figure  4.  The  digital  interface  is  pro- 
vided by  using  a  standard  8-bit,  parallel-in,  parallel-out  latch 
updated  as  the  successive  approximation  process  is  com- 
pleted for  each  input  channel.  The  remainder  of  the  circuit 
consists  of  the  SAR  and  the  multiplexer  address  counters.  A 
parts  list  for  the  circuit  is  shown  in  Figure  5.  A  complete 
circuit  schematic  for  the  digital  board  is  shown  in  Appendix  A. 

The  boards  are  interconnected  by  use  of  four  mini-dip  con- 
nectors and  cables,  a  16-pin  and  14-pin  from  each  analog 
board  to  the  controller.  The  lead  designations  of  the  two 
connectors  are  shown  in  Figure  6.  The  input  and  output 
channels  are  accessible  through  "banana"-type  plugs;  this 
allows  optional  connections  from  the  transmission  line  in 
order  to  try  different  types  of  filters  and  line  interface  cir- 
cuits. The  two  analog  boards  require  ±15VDC  and  "banana" 
plugs  are  provided  to  interface  to  the  appropriate  supplies. 
The  control  board  requires  +5VDC  only.  The  entire  system 
layout  is  shown  in  block  diagram  in  Figure  7. 

SYSTEM  OPERATION  AND  DESIGN 

To  achieve  a  workable  system  configuration,  the  encoding 
and  decoding  operations  were  approached  as  two  separate 
designs.  The  entire  transmission  link  was  then  connected  to 
complete  the  end-to-end  tests. 
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Figure  3A.  Encoder/Decoder  Controller 
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Figure  3B.  Encode  Clock 
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Figure  5.  Parts  List  —  Controller 


Figure  6.  Pin  Designations  —  System  Connectors 

The  accuracy  of  the  encoder,  the  analog-to-digital  converter, 
is  dependent  upon  several  factors.  The  first,  and  most 
significant,  is  the  speed  (settling  time)  of  the  companding 
DAC  in  conjunction  with  the  comparator.  Other  factors  are 
switching  time  of  the  multiplexer,  acquisition  time  of  the 
sample-and-hold,  hold-step  settling  time  of  the  sample-and- 
hold,  and  output  noise  of  the  sample-and-hold  and 
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Figure  7.  Eight-Channel  System  Layout 

multiplexer.  All  of  these  characteristics  had  to  be  con- 
sidered while  developing  the  encoder  circuit. 
In  a  companded  A/D  conversion,  using  a  successive  approx- 
imation method,  different  digital  bits  require  different  settl- 
ing times.  There  is  a  constant  increase  in  the  settling  time 
required  as  one  goes  from  the  sign  bit  to  the  chord  bits  and 
then  to  the  step  bits.  This  increase  in  settling  time  is  partially 
caused  by  the  scaled  current  sources  used  to  design  a  com- 
panding D/A  and  is  most  affected  by  the  magnitude  of  the 
voltage  level  being  converted.  So  as  the  output  currents  of 
the  DAC-86  become  smaller  (at  smaller  voltage  levels),  the 
comparator  is  less  responsive.  Also  as  the  less  significant 
bits  are  clocked  in,  the  situation  becomes  more  critical 
since  progressively  smaller  current  changes  are  provided  to 
force  the  comparator  to  change  output  state.  The  encoder 
clock  waveforms,  shown  in  Figure  8,  depict  a  system  ap- 
proach to  accommodate  these  timing  characteristics.  The 
governing  design  criteria  was  that  a  limited  amount  of  time 
is  available  to  complete  the  successive  approximation  of  the 
analog  signal  (for  eight  channels,  with  a  sampling  frequency 
of  8kHz,  this  means  15.6|ts)  and  the  optimum  clock  must  fit 
within  this  period.  All  functions  (including  sampling,  en- 
coding, switching)  must  therefore  be  completed  with  an  ac- 
ceptable accuracy,  within  this  time  constraint.  To  achieve 
accurate  data  acquisition  with  the  sample-and-hold,  a  sam- 
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Figure  8.  Encoder  Timing  Waveforms 

pie  pulse  of  3.2fiS  was  used.  Once  the  pulse  goes  from  sam- 
ple to  hold,  there  is  a  waiting  time  required  to  allow  the 
sample-and-hold  output  to  settle  to  the  "held"  value,  650ns 
is  the  time  added.  Since  the  sign  bit  is  the  fastest  transition, 
the  basic  system  clock  (1.544MHz)  is  used  for  the  first  SAR 
clock  period.  The  clock  frequency  is  then  halved  to  clock  in 
the  chord  bits  (B1,  B2,  B3),  the  next  "slowest"  transitions. 
Finally,  the  clock  frequency  is  halved  again  to  allow  for  the 
step  bits  (B4-B7),  a  frequency  of  386kHz.  The  times  required 
for  the  different  bit  conversions  are  shown  in  Figure  8.  The 
SAR  is  reset  during  the  sampling  period  and  once  the  sam- 
ple circuit  has  entered  the  hold  mode,  the  input 
multiplexer's  address  is  changed.  This  provides  ample  time 
for  the  MUX  to  switch  to  the  next  analog  input  with  little  ef- 
fect on  the  adjacent  waveforms.  In  addition,  to  further 
minimize  interchannel  crosstalk,  a  20kQ  resistor  to  ground  is 
added  to  the  multiplexer  output. 

To  provide  sufficient  noise  immunity  from  the  sample-and- 
hold  to  the  comparator,  a  simple  filtering  circuit  using  a 
100pF  capacitor  is  added.  A  4.9kfi  resistor  to  +5V  from  the 
comparator  output  aids  in  increasing  the  DAC-86  and 
comparator  speed.  In  order  to  test  the  encoder  without  add- 
ing a  decoder,  a  high-precision  voltage  source  (DC  levels) 
was  used  as  an  input  to  one  or  more  channels  of  the  A/D  cir- 
cuit. The  data  output  (one  byte  every  15.6j!S)  was  sampled 
and  stored  in  a  logic  analyzer.  By  reviewing  the  samples  for 
each  channel,  and  comparing  the  data  from  all  channels  of 
the  eight  channel  system,  the  effects  of  changes  in  the 
clock  on  the  accuracy  of  the  design  could  be  observed.  By 
inputting  a  steady-state  value,  the  data  out  would  not  only 
demonstrate  the  "consistency"  of  the  A/D  conversion  but 
also  make  obvious  any  adjacent  channel  effects  that  were 
produced. 

The  analyzer  sampling  also  presents  a  method  of  initializing 
the  system  components.  By  grounding  all  inputs  and  digitally 
sampling  the  data  bus  output,  the  zero  level  can  be  set  so  as 
to  produce  an  alternating  series  of  data  bytes  equivalent  toO 
volts  (10000000  and  00000000). 

A  similar  design  approach  was  used  in  developing  an  eight- 
channel  decoder.  In  this  case,  the  response  time  of  the 
DAC-86    and  op  amp  offers  little  problem  since  an  eight- 
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channel  decoder  is  relatively  slow.  However,  the  accuracy  of 
the  devices  does  become  important.  The  design  considera- 
tions become,  therefore,  the  nonlinearity  of  the  DAC-86  in 
conjunction  with  the  switching  time  and  charge  injection  of 
the  multiplexer.  The  DAC-86  is  manufactured  to  strict  linear 
specifications,  which  assures  both  excellent  decoding  linear- 
ity and  absolute  accuracy.  The  multiplexer  is  used  both  as  a 
switch  to  demultiplex  the  output  waveforms  and  as  a  holding 
circuit  by  adding  capacitance  to  the  output  leads.  One  effect 
seen  in  the  multiplexer  is  that  as  a  channel  is  switched  off, 
there  is  a  charge  injected  onto  the  output.  This  charge  is  not 
normally  obvious  in  a  MUX  design,  however,  when  working 
into  a  high  impedance  (such  as  a  filter)  and  with  capacitors 
on  the  source  leads  (outputs),  the  charge  can  add  an  offset  to 
the  waveform.  To  minimize  the  effect,  a  large  capacitor  (0.1 
or  greater)  is  added.  Since  the  charge  pulse  is  a  short  dura- 
tion signal,  the  signal  on  the  larger  capacitor  will  be  less 
affected  by  the  charge  than  if  a  smaller  component  was  used. 

In  terms  of  a  system  decoder  design,  this  circuit  could  be 
used  for  more  than  eight  channels.  The  op  amp  and  DAC-86 
are  both  capable  of  responding  to  more  output  channels.  An 
eight-channel  system  was  incorporated  to  remain  compati- 
ble with  the  analog  board  that  is  used  in  the  demonstrator.  In 
order  to  decode  more  channels  (>12),  the  output  capacitance 
on  the  demultiplexer  would  need  to  be  reduced.  The  other 
circuit  components  would  remain  the  same. 

The  decoding  circuitry  can  be  tested  separately  by  adding  a 
series  of  data  bytes  and  monitoring  the  output  channels. 
The  CCITT  recommendation  for  testing  PCM  systems  in- 
cludes a  method  of  testing  a  decoder  by  introducing  a  stan- 
dard sequence  of  digital  data  words  in  order  to  produce  a 
1kHz  sinusoid  at  a  nominal  level  of  OdBmO.*  This  method 
proved  useful  in  "debugging"  the  circuit  design  prior  to  at- 
tempting the  end-to-end  tests. 


SYSTEM  TESTS 

Once  the  encoder  and  decoder  were  functioning  separately, 
the  entire  system  was  connected  with  the  appropriate  inter- 
facing to  allow  for  full-system  transmission  tests.  The 
measurements  taken  were  the  standard  set  of  PCM  specifi- 
cations observed  in  the  majority  of  data  sheets  for  telecom- 
munication oriented  products.  These  tests  included  signal- 
to-total  distortion,  gain  tracking,  intelligible  crosstalk,  and 
idle  channel  noise. 

There  are  two  different  methods  of  performing  the  tests.  For 
the  U.S.  standards,  a  sinusoid  signal  is  used  as  the  channel 
input  and  the  measurements  are  taken  around  the  base 
(test)  frequency.  For  the  European  tests,  a  pseudo-random 
or  "white"  noise  source  is  preferred  as  the  input  signal.  The 
test  results  discussed  here  were  obtained  with  the  U.S. 
testing  procedures;  similar  test  results  have  been  achieved 
using  European  test  methods. 

The  test  set-up  for  signal-to-total  distortion  and  gain  track- 
ing measurements  is  shown  in  Figure  9.  The  results  are 
plotted  in  Figures  10  and  11.  As  is  seen,  each  test  was  per- 
formed with  both  the  C-Message  Weighting  and  the  3kHz 
Flat  response  terminating  configurations.  The  results  using 
the  /t-law  parts  (DAC-86)  are  represented.  In  terms  of  signal- 
to-total  distortion,  the  system  exceeds  the  recommended  I 
standard  at  all  input  levels  by  2dB  or  greater.  The  system  is  I 
also  well  within  the  recommended  gain  tracking  limits  for 
both  terminations. 

The  crosstalk  and  idle  channel  noise  measurements  are 
given  in  Figure  12.  One  consideration  of  the  system  design, 
in  terms  of  performance,  was  that  the  most  difficult  charac- 
teristic for  a  shared-channel  system  to  minimize  is  the  in- 
telligible crosstalk  specification.  The  design  is  directed 
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Figure  12.  Idle  Channel  Noise  and  Crosstalk 

toward  optimizing  this  measurement.  The  idle  channel  noise 
is  at  the  system  recommended  level  when  measured  with- 
out output  filtering.  It  is  further  reduced  by  adding  a  PCM 
receive  filter  on  the  decoder  multiplexer. 
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Figure  11.  Gain  Tracking 


CONCLUSIONS 

The  circuitry  just  discussed  is  meant  to  represent  one  ap- 
proach to  designing  an  eight-channel,  shared  CODEC 
system.  It  is  not  meant  to  be  the  only  design,  but  provides  a 
working  system  upon  which  to  base  further  engineering 
development.  It  should  be  noted  that  in  terms  of  transmission 
testing,  the  design  is  an  end-to-end  system.  The  configura- 
tion presents  the  users  with  a  complete  circuit  enabling  them 
to  observe  the  individual  device  characteristics  significant  in 
producing  a  shared-channel  design. 

The  design  provides  a  starting  point  from  which  most  charac- 
teristics important  to  both  shared-channel  and  single- 
channel  designs  can  be  manipulated  to  allow  for  improve- 
ments in  transmission  quality.  To  be  able  to  develop  a  realistic 
transmission  design,  the  system  engineer  needs  to  consider 
more  than  just  the  coder/decoder  devices.  A  complete  multi- 
ple-channel system,  such  as  the  one  presented  here,  allows 
the  user  to  observe  the  complete  system  performance  as  it  is 
affected  by  the  individual  system  components. 


- 


8-278    DIGITAL-TO-ANALOG  CONVERTERS 


CO 


8-220    DIGITAL-TO-ANALOG  CONVERTERS 


ANALOG 

DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Four-Channel  Shared  CODEC 


FOUR-CHANNEL  SHARED  CODEC 


A  four-channel  CODEC  assembled  from  LSI  components  is 
a  cost-effective  digital  transmission  system  requiring  a 
relatively  small  number  of  devices.  The  system  makes  use 
of  a  single  COMDAC®  companded  DAC-86  or  DAC-89  digital- 
to-analog  converter  for  both  encoding  and  decoding  (see 
Figure  1).  The  timing  of  the  circuitry  is  compatible  with  ATT 
and  CCITT  system  specifications. 

Each  channel  is  sampled  at  the  standard  8kHz  rate.  With 
four  channels  this  allows  approximately  31.2u.s  to  encode 
the  sampled  analog  input  and  to  decode  the  received  digital 
signal  for  the  same  channel.  To  simplify  the  timing  system 
requirements  equal  amounts  of  time  were  allowed  for  en- 
coding and  decoding,  thus  permitting  15.6(is  for  the  more 
critical  encode  portion  of  the  cycle,  The  encode/decode 
clocking  scheme  for  this  CODEC  was  incorporated  directly 
from  a  successful  eight-channel  CODEC  system  which  has 
been  published  as  ADI  Application  Note  37.  One  original 
feature  of  the  four-channel  design  was  the  use  of  dual  eight- 
channel  multiplexer  ICs  to  switch  the  four  channels.  This 
results  in  a  system  whose  interchannel  crosstalk  is  prac- 
tically negligible.  Crosstalk  figures  of  -85dB  have  been 
observed.  This  article  describes  the  design  procedure  and 
reviews  the  transmission  characteristics  of  the  completed 
system. 

S/HO 

I  1 


Figure  1.    Four-Channel  CODEC 


CIRCUIT  DESIGN 

The  analog  circuitry  required  for  a  four-channel  system  is 
shown  in  Figure  2.  The  circuit  uses  the  same  printed  circuit 
card  as  the  transmit  or  receive  sections  of  the  eight-channel 
CODEC  design  (with  the  addition  of  a  second  multiplexer). 
The  analog  inputs  all  connect  at  the  input  multiplexer(MUX- 
88)  using  alternating  inputs,  the  output  (drain)  of  the  MUX 


4X0. lpF 


XIR  „  HIGH  FOR  TRANSMIT  (ENCODE) 


Figure  2.    Four-Channel  CODEC  —  Analog  Board 

COMDAC  is  a  registered  trademark  of  Analog  Devices,  Inc. 
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drives  the  SMP-81  sample-and-hold  device.  Once  the  input 
level  is  held,  the  COMDAC®  (DAC-86  or  89),  in  conjunction 
with  the  comparator  (CMP-01),  begins  the  analog-to-digital 
conversion  sequence.  A  successive  approximation  encode 
procedure  is  used;  this  generates,  within  the  allotted  conver- 
sion time  (15.6ms),  an  eight-bit  digital  approximation  of  the 
analog  level.  The  data  byte  is  available  at  the  successive 
approximation  register  output  for  the  next  15.6^s  timeframe. 
During  this  time  the  CODEC  decodes  the  incoming  digital 
signals. 

The  decode  cycle  begins  as  soon  as  the  encode  cycle  is 
completed.  The  DAC-86  is  switched  to  the  decode  mode 
and  an  eight-bit  data  word  is  presented  at  its  input  leads, 
presumably  from  some  distant  analog-to-digital  converter 
through  a  switching  matrix.  As  the  DAC-86  is  switched  to 
decode,  the  operational  amplifier  (OP-16)  converts  the  out- 
put current  of  the  DAC-86  into  the  appropriate  voltage 
level.  The  output  multiplexer  is  switched  to  the  proper 
analog  port  as  the  decode  procedure  is  initiated.  On  the  out- 
put leads  of  the  "de"-multiplexer,  a  hold  capacitor  is  used  to 
provide  an  output  holding  function.  The  "staircase" 
waveform  is  then  available  for  filtering  and  the  final  sub- 
criber  interface. 

As  shown  in  the  Figure  2,  several  circuit  precautions  were 
taken  to  reduce  the  internal  noise  levels.  Foremost  among 
these  is  the  ample  use  of  grounding  throughout  the  analog 
circuit.  All  power  supply  inputs  to  the  ICs  are  bypassed  with 
capacitance  (O.VF)  to  ground.  In  addition,  any  spare  land 
area  of  the  board  is  filled  with  ground  paths.  The  various 
voltage  return  paths  are  kept  separate  except  for  one  com- 
mon location  on  the  board  at  the  supply  input  leads.  For  fur- 
ther noise  protection,  a  20k0  resistor  to  ground  is  connected 
to  the  drain  leads  (the  common  output  or  input)  of  both 
multiplexers.  This  reduces  the  multiplexer  output  noise  and 
any  crosstalk  voltage  feedthroughs.  Also,  in  terms  of  the 
multiplexers,  the  output  MUX  is  addressed  to  a  grounded 
terminal  (source  connection)  in  between  the  active  chan- 
nels. This  aids  in  minimizing  the  mutiplexer  injection 
phenomena  (discussed  in  detail  in  Application  Note  37, 
describing  the  eight-channel  CODEC  design)  and  helps  to 
further  reduce  the  device  crosstalk.  The  significance  of  us- 
ing two  multiplexers  in  this  design  is  to  allow  unused  chan- 
nels of  the  output  MUX  to  be  connected  to  ground.  The  ac- 
tive channels  are  then  alternated,  in  terms  of  addressing, 
with  the  grounded  terminals.  Addressing  the  multiplexers 
requires  only  two  of  the  address  leads  to  be  controlled  by  a 
binary  counter  for  data  selection.  The  third  address  input  is 
either  held  active  (as  in  the  input  MUX),  or  can  follow  the 
system  transmit  and  receive  control  signal  (lead  X/R,  as  in 
the  output  MUX).  The  address  sequence  for  the  input  MUX  is 
repeated  through  ports  4  to  7  (100  to  111),  the  most  signifi- 
cant bit  is  held  high  and  the  two  lower  bits  are  counter  out- 
puts. This  scheme  allows  maximum  settling  time  for  the 
MUX  since  the  next  channel  to  be  encoded  is  selected  more 
than  16^s  prior  to  the  conversion.  For  the  output  MUX,  the 
two  most  significant  bits  of  the  address  are  the  counter  out- 
put leads,  the  least  significant  bit  Is  the  transmit/receive 
lead  (X/R).  As  is  shown  in  Figure  3,  the  address  sequence 
alternates  from  active  output  port  (even  addresses)  to 
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Figure  3.    Four-Channel  CODEC  —  Multiplexer 
Sequencing 

grounded  ports  (odd  addresses).  The  counter  is  changed 
while  the  MUX  is  selecting  an  unused  (grounded)  channel. 
This  type  of  sequencing  reduces  the  interchannel  in- 
terference of  the  MUX  and  greatly  adds  to  the  system's 
measured  performance. 

To  minimize  sample-and-hold  noise,  a  simple  filter  circuit  is 
added  to  the  output  terminal  of  the  device.  A  similar  ap- 
proach was  used  in  the  eight-channel  design.  Another 
feature  in  common  with  the  eight-channel  system  is  the  use 
of  a  4.9kQ  resistor  pull-up  from  +5V  to  the  output  of  the 
comparator;  this  decreases  the  switching  time  of  the  device 
for  the  encode  procedure. 

The  timing  waveforms  generated  for  the  four-channel 
system  are  based  on  the  encoder  clock  used  in  the  eight- 
channel  CODEC.  This  clock  circuit  is  shown  in  Figure  4.  In  a 
companded  A/D  conversion,  using  a  successive  approxima- 
tion method,  different  digital  bits  require  different  settling 
times.  There  is  a  constant  increase  in  the  settling  time  re- 
quired as  one  goes  from  the  sign  bit  to  the  chord  bits  and 
then  to  the  step  bits.  This  increase  in  settling  time  is  partial- 
ly caused  by  the  scaled  current  sources  used  to  design  a 
companding  D/A  and  is  most  affected  by  the  magnitude  of 
the  voltage  level  being  converted.  So  that,  as,  the  output  cur- 
rents of  the  DAC-86  become  smaller  (at  smaller  voltage 
levels),  the  comparator  is  less  responsive.  As  the  less 
significant  bits  are  clocked  in,  the  situation  becomes  more 
critical  since  progressively  smaller  current  changes  are  pro- 
vided to  drive  the  comparator.  A  multi-frequency  clock  will 
take  advantage  of  these  timing  variations;  such  a  clocking 
scheme  is  shown  in  Figure  5.  The  governing  design  criteria 
is  that  a  limited  amount  of  time  is  available  to  complete  the 
successive  approximation  of  the  analog  signal  and  the  op- 
timum clock  must  fit  within  this  period.  All  functions  (in- 
cluding sampling,  encoding,  switching)  must  be  completed, 
therefore,  with  an  acceptable  accuracy,  within  this  time 
constraint.  To  achieve  accurate  data  acquisition  with  the 
sample-and-hold,  a  sample  pulse  of  3.2/is  was  used.  Once 
the  pulse  goes  from  sample  to  hold,  there  is  a  waiting  time 
required  to  allow  the  sample-and-hold  output  to  settle  to  the 
"held"  value;  650ns  is  the  time  added.  Since  the  sign  bit  is 
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Figure  5.    Four-Channel  CODEC  —  Encoder  Timing 

the  fastest  transition,  the  basic  system  clock  (1.544MHz)  is 
used  for  the  first  SAR  clock  period.  The  clock  frequency  is 
then  halved  to  clock  in  the  chord  bits  (B1,  B2,  B3),  the  next 
"slowest"  transitions.  Finally,  the  clock  frequency  is  halved 


again  to  allow  for  the  step  bits  (B4-B7),  a  frequency  of 
386KHz.  The  SAR  is  reset  during  the  sampling  period  and 
once  the  sample  circuit  has  entered  the  hold  mode,  the  in- 
put multiplexer's  address  is  changed.  This  provides  ample 
time  for  the  MUX  to  switch  to  the  next  analog  input  with  lit- 
tle effect  on  the  adjacent  waveforms. 

Using  this  timing  pattern  as  the  starting  point,  the  original 
eight-channel  system  was  converted  to  a  four-channel  bi- 
directional design.  The  only  additional  control  functions  to 
be  added  were  the  timing  signals  needed  to  switch  the 
DAC-86  between  the  encoding  and  decoding  modes,  to 
operate  the  output  multiplexer,  and  to  select  the  proper  data 
inputs  for  the  DAC-86.  The  DAC-86  mode  select  and  the 
multiplexer  address  leads,  as  mentioned  previously,  are  gen- 
erated from  a  single  system  transmit/receive  control  (shown 
as  X/R  in  Figure  6).  The  lead  is  the  system  monitor  of  the 
mode  in  which  the  CODEC  is  operating.  When  active  (logic 
"1"),  the  DAC-86  and  associated  parts  are  in  the  encode 
mode.  In  the  encode  mode:  the  successive  approximation 
register  clock  is  enabled,  the  encode/decode  lead  to  the 
DAC-86  (E/D)  is  enabled,  the  data  input  selector  directs  the 
SAR  output  back  toward  the  DAC-86  for  the  feedback 
needed  in  successive  approximation,  and  the  output  MUX 
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Figure  6.    Four-Channel  CODEC  —  Control  Board 

X/R  lead  remains  at  logic  "1"  until  encoding  is  completed, 
then  goes  to  ground  (logic  "0"),  the  decode  state.  To  decode 
a  data  byte,  the  DAC-86  is  held  in  the  decode  mode  (E/D  is 
low),  the  output  MUX  is  addressed  to  an  active  output  port, 
and  the  SAR  clock  is  disabled  (this  register  will  hold  the  last 
encoded  data  word  throughout  the  decode  cycle  —  it  is  not 
cleared  until  a  new  input  signal  is  to  be  encoded).  The  data 
selector  is  directed  to  the  digital  system  bus  and  the 
decoding  of  the  byte  on  the  bus  begins.  As  described,  the 
address  leads  of  the  multiplexers  are  programmed  such 
that  the  input  MUX  will  always  be  directed  toward  the  next 
active  channel,  once  the  previous  analog  sample  has  been 
held.  But  the  output  MUX  does  not  connect  to  an  active 
channel  until  the  decode  cycle  begins;  during  the  encode 
cycle  only  unused  (grounded)  ports  are  addressed. 

SYSTEM  TESTS 

The  system  as  configured  in  the  block  diagram  (Figure  7)  is 
a  complete  four-channel  CODEC.  To  perform  the  transmis- 
sion tests,  it  was  decided  to  use  a  single  CODEC  circuit  and 
transmit  data  in  a  "loopback"  configuration.  As  was  men- 
tioned earlier,  the  only  signal  required  from  an  external  con- 

halv^e^ 


The  system  waveforms  that  result  are  shown  in  Figure  8. 
These  clock  patterns  can  be  correlated  to  the  encode  clock 
waveforms  in  Figure  5  by  comparing  the  ADCLK  or  the  S/H 
leads.  Since  the  successive  approximation  register  is  not 
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Figure  7.    Four-Channel  CODEC  -  Demonstrator 
Layout 
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Figure  8.    Four-Channel  CODEC  —  Demonstrator 
Timing 
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Figure  9.    Signal-To-Total  Distortion  (Four-Channel) 

cleared  until  after  the  decode  cycle,  an  external  register  Is 
not  necessary  to  hold  the  data  for  the  decoding  process. 

The  transmission  tests  that  were  completed  were  the 
typical  telephone  network  tests  as  described  in  the  eight- 
channel  application  information.  The  tests  include  signal- 
to-total  distortion,  gain  tracking,  intelligible  crosstalk  and 
idle  channel  noise.  Again  the  test  method  used  for  the  first 
two  tests  was  based  on  a  sinusoidal  input  signal,  as  is  com- 
mon in  the  AT&T  specifications,  at  a  frequency  between  400 
and  3400Hz  using  a  frequency-selective  wave  analyser.  The 
results  of  all  testing  are  shown  in  Figures  9  through  11. 

It  is  of  some  interest  to  compare  this  data  with  the  test 
results  of  the  eight-channel  CODEC  design.  In  particular, 
the  idle  channel  noise  and  the  crosstalk  measurements  are 
improved.  This  can  be  partially  explained  by  the  different 
manipulations  of  the  output  multiplexer.  This  does  however, 
tend  to  point  to  the  fact  that  the  output  MUX  can  be  a 
significant  source  of  noise  and  cross  channel  interference. 
Further  data  is  certainly  necessary,  but  these  results  do 
point  out  an  area  of  concentration  for  the  system  designer 
wanting  to  improve  system  performance. 
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Figure  10.  Gain  Deviation  (Four-Channel) 
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In  terms  of  signal-to-total  distortion  and  gain  tracking,  the 
four-channel  results  compare  favorably  with  the  eight- 
channel  data  and  both  systems  exceed  the  AT&T  re- 
quirements. Overall,  the  transmission  tests  point  out  that 
using  a  single  DAC-86  for  four-channel  transmitting  and 
receiving  is  a  realistic  approach  and  can  comply  with  all 
"  system"  standards. 

CONCLUSIONS 

The  testing  described  in  the  preceding  pages  demon- 
strates the  feasibility  of  encoding  and  decoding  four  chan- 
nels with  a  single  DAC-86.  The  system  has  several  advan- 
tages: 1)  a  smaller  number  of  devices  are  required  to  com- 
plete the  CODEC  function  than  were  necessary  for  the 
eight-channel  design,  2)  the  clock  circuitry  (PROM-based  tim- 
ing generator)  is  common  to  all  encoders,  so  only  a  single 
such  circuit  is  needed  for  multiple  CODECS.  Both  of  these 
factors  contribute  to  reduced  printed  circuit  board  area  for 
multiple  transmission  channels.  The  devices  needed  for  a 
four-channel  CODEC  are  listed  in  Figure  12.  In  terms  of 
package  sizes,  only  one  device  is  larger  than  sixteen  pins 
(the  DAC-86/89  is  18  pins)  and  three  of  the  components  are 
only  eight  pins.  This  should  make  system  layout  fairly  sim- 
ple and  allow  relatively  dense  component  packing.  If  chan- 
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PARTS  (CODEC  +  CLOCK) 
Analog 

MUX-88  E  (2) 
SMP-81  FY 
DAC-86  EX 
CMP-01  EJ 
OP-16  FJ 
REF-02  EJ 


Digital 

74LS04  (2) 

74LS08  (2) 

74LS14 

74LS32 

74LS74 

74LS86 

74LS157  (2) 

74LS163  (2) 

741 88 A 

74LS195 

2502 

+  1.544MHz  Crystal 


•  Parts  for  CODEC 


Figure  12.  Four-Channel  CODEC  —  Parts 


nel  monitoring  is  incorporated,  then  a  single  supervision  cir- 
cuit could  administer  several  circuit  packs  in  a  system  line- 
up. The  number  of  external  leads  is  reduced  in  a  four- 
channel  CODEC  and  the  design  is  easily  added  to  a  bus- 
structure  data  switching  system. 

The  price  per  channel  is  still  less  than  that  being  quoted  by 
single-channel  CODEC  designers  although  slightly  more 
than  the  eight-channel  approach.  The  sacrifice  made  in 
price-per-channel  is  offset  by  the  gains  in  system  archi- 
tecture and  board  layout  offered  by  a  four-channel  shared 
CODEC.  The  shared  channel  CODEC  approach  is  a  viable 
solution  to  producing  a  digital  transmission  system.  AN-37 
shows  designs  at  even  lower  per  channel  cost. 


i 
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Companding  D/A  Converter 


INTRODUCTION 

A  companding  digital-to-analog  converter  (DAC)  is  the  key 
component  in  PCM  CODEC  systems.  (CODEC  is  an  acronym 
tor  coder-decoder.)  A  CODEC  performs  the  coding  functions 
which  consist  of  an  analog-to-digital  conversion  (ADC)  of 
the  input  analog  (voice)  signal  and  decoding,  which  consists 
of  a  digital-to-analog  conversion  (DAC)  of  the  received 
digital  input. 

The  DAC  is  used  for  both  encoding  and  decoding;  it  is  in  a 
feedback  loop  to  generate  the  ADC  functions.  Voice  signals 
in  telephony  require  a  system  with  a  very  large  dynamic 
range.  The  dynamic  range  (DR)  of  a  CODEC  is  defined  as  the 
ratio  of  the  largest  resolvable  signal  to  the  smallest  signal 
which  can  be  encoded.  The  dynamic  range  of  the  CODEC  is 
the  same  as  that  of  the  DAC  used  in  either  the  decode  mode 
or  in  the  feedback  loop  of  the  successive  approximation 
type  ADC.  The  dynamic  range  of  a  DAC  is  simply  the  ratio  of 
its  output  for  a  linear  input  of  one  least  significant  bit  (LSB) 
to  that  of  the  largest,  all  "1s,"  input.  This  ratio  is  usually  ex- 
pressed in  decibels  using  the  equation: 

'max. 

DR  =  20  log10  

•lsb 

where  for  a  current  output  DAC  lMAX  is  the  output  current  for 
all  "1s"  input  and  Ii_sb  is  tr|e  output  current  for  one  LSB  in- 
put. Using  this  equation  a  linear  bit  DAC  can  be  shown  to 
resolve  a  ratio  of  2":1  therefore: 

2" 

DR  =  20  log,0  —  -  6" 

The  wide  dynamic  range  requirements  of  a  telephone 
system  require  the  equivalent  dynamic  range  of  a  12-bit 
system  or  72dB.  However,  this  system  would  not  be  satis- 
factory for  telephone  voice  transmission  because  of  its  ex- 
cessive bandwidth  requirements.  With  present  day  T1  type 
transmission  systems  a  64kbits/sec  data  rate  is  required  to 
transmit  each  voice  channel.  The  use  of  the  linear  system 
would  increase  this  bit  rate  to  96kbits/sec.  This  would  pro- 
vide more  accuracy  than  is  needed  at  the  expense  of  ex- 
cessive bandwidth. 

For  voice  systems  the  most  important  criterion  is  the  signal- 
to-noise  ratio.  In  a  PCM  system  noise  is  due  almost  entirely 
to  quantizing  distortion.  Thus,  a  non-linear  DAC  has  a  non- 
linear transfer  characteristic  to  compress  the  analog  signal 
into  a  digital  word  and  a  complementary  transfer  character- 
istic to  expand  the  digital  words  into  analog  signals  with  a 
wide  dynamic  range.  For  a  telephone  system  a  CODEC  re- 
quires a  fairly  uniform  signal-to-distortion  ratio  over  its  en- 
tire dynamic  range.  Achieving  this  uniform  signal-to-distortion 
ratio  over  a  wide  dynamic  range  requires  the  use  of  non- 
uniform coding.  A  non-uniform  CODEC  is  a  coder-decoder 


pair  whose  input  amplitude  range  is  divided  into  steps  of  un- 
equal widths,  such  that  the  width  of  the  quantizing  steps  in- 
crease in  proportion  to  the  amplitude  of  the  signal.  To 
achieve  uniform  signal  to  distortion  performance  a  logarith- 
mic transfer  function  is  required.  The  word  compand,  (com- 
pand  is  an  acronym  for  compress  —  expand)  was  borrowed 
from  analog  systems  to  describe  this  non-uniform  coding 
system  where  quantizing  and  coding  is  such  that  step  size 
depends  on  the  input  amplitude. 

COMPANDING  PRINCIPLES 

Companding  requirements  differ  for  different  signal 
distributions.  As  mentioned  above,  voice  signals  require 
constant  S/D  performance  over  a  wide  dynamic  range.  In 
order  to  accomplish  this  the  distortion  must  be  proportional 
to  the  signal  level.  This  feat  is  best  achieved  by  the  use  of  a 
logarithmic  compression  law.  However,  a  truly  logarithmic 
assignment  of  code  words  is  not  physically  possible  since 
this  implies  an  infinite  number  of  codes.  Two  methods  for 
generating  practical  implementations  of  logarithmic 
transfer  functions  have  been  derived  which  have  become  in- 
dustry standards.  These  methods  are  generally  known  by 
their  transfer  functions  which  are  called  /t-law  and  A-law 
respectively.  Both  of  these  transfer  functions  are  normally 
implemented  with  eight-bit  non-linear  DACs  to  achieve  a 
72dB  dynamic  range.  This  is  the  equivalent  dynamic  range 
of  a  twelve-bit  linear  DAC.  The  /i-law  and  the  A-law  transfer 
functions  are  described  by  the  following  equations: 

„.|aw    Y  =  ln<1+"'X"  sgnX  for-1<X<+1 
ln(1+;u) 

A-law    Y=  1  +  lnAlXl   sgnX  for1/A<X<1 
1+lnA 

Y=  ■  A|X|  A     sgnX  for0<X<1/A 
1  +  In  A 

These  laws  have  unique  signal-to-distortion  characteristics 
for  each  value  of  n  and  A  respectively.  At  present  ATT  has 
settled  on  a  value  of  n  equal  to  255  and  CCITT  specifications 
use  a  value  of  A  equal  to  87.6.  Substituting  these  constants 
into  the  original  equation  above  obtain: 

Haw  Y  =  0.18  In  (1  +  /i|X|)    sgn  X  for-1  <  X  <  1 
A-law  Y  =  0.18  In  (1  +  ln|X|)    sgn  X  for  1/A  <  |X|  <  1 
Y  =  0.18A|X|    sgn  X  for  0  <  |X|  =  1/A 

The  wideband  (unfiltered)  signal-to-distortion  ratio  over  the 
useable  dynamic  range  of  voice  transmissions  is  shown  in 
Figure  1.  This  plot  does  not  represent  actual  system  perfor- 
mance; it  is  instead,  a  measure  of  the  distortion  which 
would  be  caused  by  an  ideal  quantizer. 
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INPUT  SPEECH  POWER  RELATIVE 
TO  FULL  LOAD  SINUSOID  |dB) 


Figure  1.  Input  Speech  Power  Relative  to  Full  Load  Sinusoid  (dB) 

The  practical  implementation  of  the  two  transfer  functions 
is  accomplished  by  standardized  piece-wise  linear  approx- 
imations. The  transfer  functions  are  implemented  in  chords 
or  segments  where  the  transfer  function  within  any  one 
chord  is  a  linear  staircase.  Each  chord  has  sixteen  steps 
and  the  size  of  the  step  in  each  succeeding  chord  is  double 
the  size  of  the  step  in  the  preceeding  chord.  There  are  nor- 
mally eight  chords  numbered  zero  through  seven  in  both 
ji-law  and  A-law  characteristics.  For  the  A-law  function  the 
first  two  chords  on  either  side  of  the  origin  have  equal  step 
sizes,  whereas,  for  the  /i-law  function,  the  second  chord 


a  "13-segment"  code.  The  A-law  characteristic  also  differs 
from  the  /i-law  characteristic  in  the  manner  in  which  the 
transfer  function  crosses  the  origin.  The  X-axis  origin  for  the 
/i-law  is  at  "mid-step"  while  the  X-axis  origin  for  the  A-law  is 
coincident  with  a  "riser".  This  can  be  understood  better 
from  the  "blow-ups"  about  the  origin  of  Figures  2  and  3. 

In  order  to  obtain  the  best  implementations  of  the  transfer 
function,  companded  DACs  are  constructed  such  that  en- 
code and  decode  functions  are  offset  by  one-half  step.  With 
this  technique  the  quantizing  band  for  the  encode  DAC  will 
be  centered  about  the  decode  value.  This  can  be  seen  in 
Figure  4,  where  the  ^-law  characteristics  about  the  origin 
are  shown.  (The  A-iaw  characteristics  would  be  identical  ex- 
cept for  the  "mid-riser"  phenomena  at  the  origin.)  As  an  ex- 
ample suppose  that,  for  Figure  4,  an  analog  input  whose 
amplitude  lies  between  levels  2  and  4  is  being  encoded.  The 
best  quantizing  code  to  assign  to  this  entire  quantizing 
band  is  its  mean  value  of  3.  Thus  the  DAC  used  in  the  suc- 


Figure  2.  M-Law  Transfer  Function 
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Figure  4.  fx-Law  Encode/Decode  Characteristics  About 
the  Origin 

cessive  approximation  feedback  loop  of  the  encode  has  out- 
put levels  which  represent  the  quantizing  band  edges. 
These  can  be  referred  to  as  decision  levels.  On  the  other 
hand  the  DAC  for  the  decoder  has  output  levels  which  repre- 


sent the  mean  values  of  the  quantizing  bands  which  must, 
of  necessity,  be  centered  about  the  decoder  output  values. 
The  end  result  is  that  a  DAC  used  for  decoding  must  be  off- 
set one-half  step  from  the  DAC  used  for  encoding.  This 
situation  must  exist  over  the  entire  range  of  the  CODEC.  A 
transmission  system  implemented  with  companding  DACs 
is  shown  in  Figure  5. 

COMDAC®  SYSTEM  DESCRIPTION 

A  block  diagram  of  ADI's  companding  DAC  is  shown  in 
Figure  6.  A  single  current  output  DAC  is  used  to  generate 
outputs  for  either  the  encode  of  decode  mode  of  operation. 


SAMPLE  SUCESSIVE 

g,  APPROXIMATION 
HOLD       COMPARATOR  REGISTER 


G         COMPANDING  ^ 


COMPANDING  COMPANDING 

DAC  DAC  AMPLIFER 


TRANSMITTER 


Figure  5.  Transmission  System  Implemented  with 
Companding  DAC 


COMDAC  is  a  registered  trademark  of  Analog  Devices,  Inc. 
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Figure  6.  Equivalent  Circuit  and  Pin  Connection  Diagram 

Each  companding  DAC  can  be  programmed  to  operate  as 
either  an  encoder  or  a  decoder  by  properly  programming  the 
E/D  pin.  The  encode  mode  is  offset  one-half  step  from  the 
decode  mode  by  means  of  the  current  generator  which  is 
switched  in  during  the  encode  mode.  The  reference 
amplifier  establishes  the  current  reference  for  the  current 
output  DAC.  The  sign  bit  pin  (SB)  controls  the  positive- 
negative  switch  which  directs  the  output  of  the  current  out- 
put DAC. 


This  output  will  eventually  end  up  at  the  positive  0oe+  °r 
I0d+)  outputs  or  the  negative  (I0e-  or  Iod-)  outputs  depend- 
ing on  whether  the  SB  pin  is  programmed  to  a  binary  "1 "  or 
a  binary  "0".  The  encode-decode  switch  E/D  determines 
whether  the  DAC  output  shall  be  directed  to  the  encode  or 
decode  terminations  as  shown  in  Figure  6.  In  addition,  this 
same  switch  introduces  the  one-half  step  of  offset  current 
required  during  encode. 

A  better  understanding  of  the  COMDAC®  circuitry  is  ob- 
tained by  reviewing  the  previously  discussed  piece-wise 
linear  approximation  of  the  companding  DAC  transfer  func- 
tion to  the  desired  /i-law  or  A-law  transfer  functions.  Each 
chord  or  segment  consists  of  16  steps  numbered  from  0  to 
15.  The  size  of  the  steps  double  in  size  from  one  chord  to  the 
next  as  the  number  of  the  chord  increases.  The  chords  are 
numbered  0  to  7.  In  order  to  smooth  out  the  characteristics 
during  the  transition  from  one  chord  to  the  next,  the  step 
current  for  step  0  of  each  chord  is  1-1/2  times  larger  than  the 
current  of  the  highest  step  of  the  chord  immediately 
preceding  it.  The  succeeding  15  steps  (steps  1  to  15)  are 
then  two  times  the  size  of  the  steps  of  this  previous  chord. 
These  characteristics  can  be  examined  in  Figure  7. 

To  implement  the  transfer  function,  the  first  chord  (N  =  0) 
uses  16  equal  steps  each  of  whose  size,  l0  is  1/16  of  chord 
current  source  \co  for  A-law,  or  1/16.5  of  current  source  Ico 
for/i-law.  The  next  chord,  N  =  1,  must  begin  at  lCo+  1.5I0  for 
both  A-law  or  /Haw.  Another  way  of  saying  this  is  that  chord 


-  IOUT  =  Ipj  +  Sli 


'P3  =  IS  +  <Ci  +  IC2 


I,    =  STEP  CURRENT  SIZE 
ICj  =  CHORD  CURRENT  SIZE 
lpj  =  PEDESTAL  CURRENT  SIZE 
WHERE  i  =  CHORD  NUMBER 
0  THRU  7 


STEP  NUMBER 

: 


DIGITAL  INPUT  Bi  THRU  B7 


Figure  7.  Construction  of  the  Companding  DAC  Transfer  Function 
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N  =  1  begins  16.5  steps  from  the  origin.  In  order  to  ac- 
complish this  a  pedestal  current  must  be  directed  toward 
the  output  whose  magnitude  is  equal  to  Ico  + 1  -5I0-  Chord  C2 
begins  at  lCo+  1  -5I0  +  lci  + 1  -51 1  and  ends  at  lco+  1  -5I0  +  lei 
+ 1 .51  -,  +  lC2  +  1.5I2  and  so  forth.  This  process  continues 
with  pedestal  currents  for  each  chord  number  N  described 
by  the  equation: 

N-1  N-1 

IPN=     E     (lCi  +  1.5li)  =  16.5     £  I, 

i=0  i=0 

note  that  lPO  =  0. 

A  functional  diagram  of  a  companding  DAC  which  im- 
plements the  proper  transfer  function  discussed  above  is 
shown  in  Figure  8,  which  operates  in  the  following  manner: 


16.5  step  currents  (16.0  steps  for  A-law)  where  a  step  current 
is  equal  to  the  current  step  caused  by  changing  the  least 
significant  bit  in  the  chord  of  interest.  Note  that  this 
satisfies  the  requirement  of  the  equation  for  pedestal  cur- 
rent Ipn.  The  step  generator  has  the  ability  to  sum  current  lg 
into  the  output  mode  to  provide  the  one-half  step  offset  re- 
quired when  the  system  is  operating  in  the  encode  mode. 
This  one-half  step  offset  current  is  controlled  by  the  E/D  pin. 
The  system  is  in  the  encode  mode  when  the  E/D  pin  is  biased 
to  a  binary  "1". 

DETAILED  CIRCUIT  DESCRIPTION 

All  of  the  single  pole  double  throw  switches  in  Figure  8  are 
constructed  of  bipolar  emitter  coupled  transistors.  One 
such  switch  is  shown  as  an  example  in  Figure  9.  When  the 
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Figure  8.  COMDAC  =  Companding  DAC  Functional  Diagram 

the  reference  amplifier  sets  the  bias  current  for  the  chord 
generator  by  means  of  lC7  which  is  a  current  mirror  whose 
output  is  equal  to  2IREF.  Next,  due  to  the  operation  of  an 
R-2R  ladder  which  is  described  in  a  following  paragraph, 
Ic6  is  made  equal  to  one-half  lC7  and  is  therefore  equal  to 
Iref-  Ic5  is  made  equal  to  one-half  Ice.  and  so  forth.  From  lC3 
down  to  Ico  a  slave  ladder  is  used  rather  than  an  R-2R  lad- 
der but  the  results  are  the  same.  The  chord  currents  double 
in  size  progressing  from  lco  to  lC7  respectively  (for  A-law 
however  lCi  =  Ico)-  The  chord  selector  is  programmed  from 
the  1  of  8  decoder  so  that  the  chord  identified  by  binary 
chord  number  N  on  leads  to  B3  will  switch  ICn  to  the  step 
generator.  All  other  chord  currents  are  switched  to  the 
pedestal  selector.  The  pedestal  selector  is  programmed 
from  the  same  1  of  8  chord  decoder  such  that  chords  l0  to 
In_i  are  switched  to  the  pedestal  selector  output  in  order  to 
generate  pedestal  current  lPN.  All  other  chord  currents  are 
switched  to  ground  so  that  a  pedestal  current  equal  to  the 
sum  of  the  chord  currents  from  Ico  to  'c<n -1)  w'"  De  directed 
to  the  output  current  switch  matrix  as  lPN.  The  ICn  flowing 
into  the  chord  selector  from  the  step  generator  is  equal  to 
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Figure  9.  Double-Pole  Double-Throw  Switch  Implemented 
with  Emitter  Coupled  Transistors 


DIGITAL-TO-ANALOG  CONVERTERS  8-231 


logic  input  exceeds  the  logic  level  bias  VLC  Q,  is  turned  off 
and  Q2  is  turned  on.  In  turn  Q3  is  turned  off  and  Q4  is  turned 
on  thus  effectively  switching  the  current  generator,  shown 
as  an  example,  from  the  ground  to  ls.  Conversely,  lowering 
the  logic  level  input  below  VLC  will  switch  the  current  from  ls 
to  ground.  The  VLC  Control  permits  the  circuit  to  interface 
with  a  large  range  of  logic  levels. 

The  chord  current  generator  circuit  is  shown  in  Figure  10. 
This  circuit  is  the  implementation  of  the  chord  current 
generator  previously  discussed.  Q0  is  forced  to  operate  at 
the  reference  input  current  lREF  and  Qi,  with  an  emitter 
resistor  one-half  the  size  of  the  emitter  resistor  of  Q0,  will 
then  operate  at  2IREF.  Q2  through  Q4  will  operate  at  pro- 
gressively smaller  currents  where  each  transistor  operates 
at  one-half  the  current  of  the  transistor  to  its  immediate  left. 
To  review  this  normal  R-2R  current-ladder  function  notice 
that  Q4A  and  Q4B  operate  at  equal  currents  and  that  the  sum 
of  their  currents  is  equal  to  that  of  one  transistor  with  an 
emitter  resistor  equal  to  R.  When  the  series  resistor  R  is  added 
to  the  junction  of  the  emitter  resistors  of  Q4A  and  Q4b  the 
current  of  Q3  will  be  forced  to  equal  the  sum  of  the  Q4A  and 
Q4B  currents.  Thus  Q4A  current  equals  one-half  the  Q3  cur- 
rent. Now  the  current  from  Q4A,  Q4B  and  Q3  must  all  flow 
through  the  next  series  resistor  R.  This  current  is  equal  to 
twice  that  of  Q3;  therefore  it  is  easy  to  compute  that  the  Q2 
current  is  twice  that  of  the  Q3.  The  same  reasoning  may  be 
used  to  proceed  down  the  ladder  to  show  that  each  tran- 
sistor in  the  ladder  sinks  twice  the  current  of  the  transistor 
on  its  immediate  right.  The  slave  ladder  consisting  of  Q5 
through  Q8A  and  Q8B  continues  to  halve  currents  for  each 
transistor  proceeding  to  the  right.  However  this  part  of  the 
chord  current  generator  uses  scaled  resistors  instead  of  the 
R-2R  ladder  technique.  Since  Q4B  sinks  constant  current 
from  the  slave  ladder,  and  since  all  the  current  must  flow 
through  the  scaled  emitter  resistors,  then  the  curent 
through  each  transistor  must  be  inversely  proportional  to 
the  size  of  its  emitter  resistor.  Byisxamination  of  the  slave 
ladder  it  can  be  seen  that  each  transistor  proceeding  to  the 


right  sinks  one-half  the  current  of  the  transistor  to  its  im- 
mediate left.  For  the  /x-law  chord  current  generator  Q8B  is 
simply  diode  connected  such  that  the  chord  current  for 
chord  C0  is  roughly  one-half  the  current  of  chord  Cv  For  the 
A-law  chord  current  generator,  however,  the  collectors  of 
transistors  Q8A  and  Q8B  are  tied  together  so  that  lCo  is  ex- 
actly equal  to  lCi-  The  currents  flow  to  the  chord  current 
generator  from  an  array  of  bipolar  single  pole  double  throw 
switches  labeled  "chord  selector"  in  Figure  8.  The  actual 
switches  are  not  shown  in  this  paper. 

The  Step  Current  Generator  is  shown  in  Figure  11.  Again  the 
single  pole  double  throw  switches  which  connect  the  step 
generator  to  the  output  current  matrix  as  shown  in  the  com- 
panding DAC  functional  diagram  are  not  represented.  The 
step  generator  is  connected  to  the  chord  selector  which 
sinks  ICn-  Ratioed  emitters  are  used  to  divide  the  current. 
The  largest  emitter  is  16  times  the  size  of  the  smallest  emit- 
ter and  therefore  sinks  16  times  the  current.  The  A-law  step 
generator  differs  from  the  /i-law  step  generator  in  that  each 
chord  begins  with  a  riser  instead  of  a  step.  This  also  applies 
to  the  origin,  therefore  one-half  step  of  current  flows 
(decode  mode)  even  when  the  binary  input  to  the  step 
generator  is  "0".  Step  switches  controlled  directly  by  the 
binary  code  connect  the  appropriate  collectors  of  the  step 
current  generator  transistors  to  the  output  current  matrix. 
For  both  A-law  and  /t-law  devices  ICn  is  one  of  the  pedestal 
currents.  The  difference  is  that  for  the  A-law  device  the 
pedestal  current  is  equal  to  16  steps  whereas,  for  the  /Haw, 
the  pedestal  current  is  equal  to  16.5  steps. 

NORMALIZED  COMPANDING  DAC  OUTPUTS 

It  is  convenient  to  generate  tables  of  normalized  values 
which  correspond  exactly  to  the  CCITT  (Consultative  Commit-  ■ 
tee  for  International  Telephone  and  Telegraph)  specifica- 
tions. The  following  tables  are  normalized  to  the  smallest 
DAC  output  which  is  equivalent  to  one-half  step. 


IREF  -  ,AW 
'  0.528mA 


IC7 

<C6 

ICS  1 

■C4 

lC3 

'C2 

ici 

1.024 

0.512 

0.256 

0.128 

64 

16.0 

8.0 

mA 

to*  ll 

- 

^A 

(A 

1.056 

0.528 

0.264 

0.132 

56 

33:.  Q 

16.5 

8.25 

mA 

mA 

11A 

*jA 

liA 

ico 


CURRENTS 
  A- LAW 


NOTE:     FOR  A  LAW  Q8B  COLLECTOR  IS 
CONNECTED  TO  Q8A  COLLECTOR 
AND  NOT  TO  ITS  OWN  BASE. 


Figure  10.  Chord  Current  Generator  Diagram 
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BIAS 


TO  STEP  SWITCHES 


I  EXAMPLE;  |co 


18.25mA  =  33  X  0.25,<A) 

ji-LAW  STEP  CURRENT  GENERATOR 


TO  STEP  SWITCHES 


4 


I      8.0„A  I      40.  A  I  I 

i  18  STEPS)  J  J  (4  STEPS)  J  f  (2 


2.0pA 
STEPS) 


I  I.QuA 
T  (STEP  IN) 


.  EXAMPLE:  lC0  -  'ft-A 

(16»A  -  32  X  O.SM 


A-LAW  STEP  CURRENT  GENERATOR 


I    I      4.0„A  I    I      10,A  I    I     1.0.A  I    I  0.!*A 

I  f  (S  STEPS)         J  T  14  STEPS)  J  T  (2  STEPS)  I  f  (STEP  lNl 

^   16X  8X    ~  ^*|4X  2X  ^| 


I    0.5»A  I  0.25,A 

til  STEP)  Jf  (1/2  STEP) 


I  0.5, 
T  11/2! 


I  0.5«A 
Jf  (1/2  STEf 


Figure  11.  A-Law  and  M-Law  Step  Current  Generators 


M-Law  Normalized  Table 


NORMALIZED  DECODE  OUTPUT  (SIGN  BIT  EXCLUDED)  lc  S  =  2[2C  (s  + 16.5)  -16.5] 


C  =  chord  no.  (0  through  7) 
S  =  step  no.  (0  through  15) 


CHORD 

0 

1 

2 

3 

4 

5 

6 

7 

STEP 

000 

001 

010 

011 

100 

101 

110 

111 

0 

0000 

0 

33 

99 

231 

495 

1023 

2079 

4191 

1  0001 

2 

37 

107 

247 

527 

1087 

2207 

4447 

2 

0010 

4 

41 

115 

263 

559 

1151 

2335 

4703 

3 

0011 

6 

45 

123 

279 

591 

1215 

2463 

4959 

4 

0100 

8 

49 

131 

295 

623 

1279 

2591 

5215 

5 

0101 

10 

53 

139 

311 

655 

1343 

2719 

5471 

6 

0110 

12 

57 

147 

327 

687 

1407 

2847 

5727 

7 

0111 

14 

61 

155 

343 

719 

1471 

2975 

5983 

6 

1000 

16 

65 

163 

359 

751 

1535 

3103 

6239 

9 

1001 

18 

69 

171 

375 

783 

1599 

3231 

6495 

10 

1010 

20 

73 

179 

391 

815 

1663 

3359 

6751 

11 

1011 

22 

77 

187 

407 

847 

1727 

3487 

7007 



12 

1100 

24 

81 

195 

423 

879 

1791 

3615 

7263 

13 

1101 

26 

85 

203 

439 

911 

1855 

3743 

7519 

14 

1110 

28 

89 

211 

455 

943 

1919 

3871 

7775 

15 

1111 

30 

93 

219 

471 

975 

1983 

8031 

STEP  SIZE 

2 

4 

8 

16 

32 

64 

128 

256 
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M-Law  Normalized  Table 


NORMALIZED  ENCODE  LEVEL  (SIGN  BIT  EXCLUDED)  lc  S  =  2[2C  (S  +  17)  -16.5] 


C  =  chord  no.  (0  through  7) 
S  =  step  no.  (0  through  15) 


CHORD 

0 

1 

2 

3 

4 

5 

6 

7 

STEP 

000 

001 

010 

011 

100 

101 

110 

111 

0 

0000 

1 

35 

103 

239 

511 

1055 

2143 

4319 

1 

0001 

3 

39 

111 

255 

543 

1119 

2271 

4575 

2 

0010 

5 

43 

119 

271 

575 

1183 

2399 

4831 

3 

0011 

7 

47 

127 

287 

607 

1247 

2527 

5087 

4 

0100 

9 

51 

135 

303 

639 

1311 

2655 

5343 

5 

0101 

11 

55 

143 

319 

671 

1375 

2783 

5599 

6 

0110  13 

59 

151 

335 

703 

1439 

2911 

5855 

7 

0111 

15 

63 

159 

351 

735 

1503 

3039 

6111 

8 

1000 

17 

67 

167 

367 

767 

1567 

3167 

6367 

9 

1001 

19 

71 

175 

383 

799 

1631 

3295 

6623 

10 

1010 

21 

75 

183 

399 

831 

1695 

3423 

6879 

11 

1011 

23 

79 

191 

415 

863 

1759 

3551 

7135 

12 

1100 

25 

83 

199 

431 

895 

1823 

3679 

7391 

13 

1101 

27 

87 

207 

447 

927 

1887 

3807 

7647 

14 

1110 

29 

91 

215 

463 

959 

1951 

3935 

7903 

15 

1111 

31 

95 

223 

479 

991 

2015 

4063 

8159 

STEP  SIZE 

2 

4 

8 

16 

32 

64 

128  256 



A-Law  Normalized  Table 

I 

NORMALIZED  DECODE  OUTPUT  (SIGN  BIT  EXCLUDED) 

CS  = 
CS  = 

2N-1(33  +  2S)ForN>0 
2S  +  1  ForN=0 

CHORD 

0 

1 

2 

3 

4 

5 

6 

7 

STEP 

000 

001 

010 

011 

100 

101 

110 

111 



0 

0000 

1 

33 

66 

132 

264 

528 

1056 

2112 

1 

0001 

3 

35 

70 

140 

280 

560 

1120 

2240 

2 

0010 

37 

74 

148 

296 

592 

1184 

2366 

3 

0011 

7 

39 

78 

156 

312 

624 

1248 

2496 



4 

0100 

9 

41 

82 

164 

328 

656 

1312 

2624 

5 

0101 

11 

43 

86 

172 

344 

688 

1376 

 1  

2752 

6 

0110 

13 

45 

90 

180 

360 

720 

1440 

2880 

7 

0111 

15 

47 

94 

188 

376 

752 

1504 

3008 

8 

1000 

17 

49 

98 

196 

392 

784 

1568 

3136 

9 

1001 

19 

51 

102 

204 

408 

816 

1632 

3264 

10 

1010 

21 

53 

106 

212 

424 

848 

1696 

3392 



11 

1011 

23 

55 

110 

220 

440 

880 

1760 

3520 

12 

1100 

25 

57 

114 

228 

456 

912 

1824 

3648 

13 

1101 

27 

59 

118 

236 

472 

944 

3776 

1888 

14 



1110 

29 

61 

122 

244 

488 

976 

1952 

3904 

15 

1111 

31 

63 

126 

252 

1008 

20  1 6 

4032 

504 

STEP  S 

2 

2 

4 

8 

16 

32 

64 

128 
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A-Law  Normalized  Table 


NORMALIZED  ENCODE  DECISION  LEVELS  (SIGN  BIT  EXCLUDED) 

ICS  =  2N-1  (34  +  2S)  For  N>0 
lcs  =  2S  +  2ForS  =  0 

CHORD 

0 

1 

2 

3 

4 

5 

6 

7 

STEP 

000 

001 

010 

011 

100 

101 

110 

1 1 1 

0 

0000 

2 

34 

68 

136 

272 

544 

1068 

2176 

1 

0001 

4 

36 

72 

144 

288 

576 

1152 

2304 

2 

0010 

6 

38 

76 

152 

304 

608 

1216 

2432 

3 

0011 

8 

40 

80 

160 

320 

640 

1280 

2560 

4 

0100 

10 

42 

84 

168 

336 

672 

1344 

2688 

5 

0101 

12 

44 

88 

176 

352 

704 

1408 

2816 

6 

0110 

14 

46 

92 

184 

368 

736 

1472 

2944 

7 

0111 

16 

48 

96 

192 

384 

768 

1536 

3072 

8 

1000 

18 

50 

100 

200 

400 

800 

1600 

3200 

9 

1001 

20 

52 

104 

208 

416 

832 

1664 

3328 

10 

1010 

22 

54 

108 

216 

432 

864 

1728 

3456 

11 

1011 

24 

56 

112 

224 

448 

896 

1792 

3584 

12 

1100 

26 

58 

116 

232 

464 

928 

1856 

3712 

13 

1101 

28 

60 

120 

240 

480 

960 

1920 

3840 

14 

1110 

30 

62 

124 

248 

496 

992 

1984 

3968 

15 

1111 

32 

64 

128 

256 

512 

1024 

2048 

•4096 

STEP  SIZE 

2 

2 

4 

8 

16 

32 

64 

128 

The  numbers  in  these  tables  are  directly  proportional  to  the 
input  reference  current.  However  the  exact  relationship  is 
somewhat  complicated.  A  reference  current  of  528/xA  for  the 
fi-law  DAC  will  produce  a  step  size  of  0.5/jA;  thus,  for  the 


M-law  device  driven  by  a  reference  current  of  528/jA,  it  is  only 
necessary  to  multiply  all  the  numbers  in  the  normalized 
tables  by  one-half  step  or  0.25/jA  to  obtain  the  output  in  jiA. 
The  table  tabulated  below  corresponds  to  a  526>A  reference. 


M-Law  Current  Output  Table 


IDEAL  DECODE  OUTPUT  CURRENT  IN  MICROAMPS  (SIGN  BIT  EXCLUDED) 


CHORD 

0 

1 

3 

4 

5 

6 

7 

STEP 

000 

001 

010 

011 

100 

101 

110 

111 

0 

0000 

0 

8.25 

24.75 

57.75 

123.75 

255.75 

519.75 

1047.75 

1 

0001 

0.5 

9.25 

26.75 

61.75 

131.75 

271.75 

551.75 

1111.75 

2 

0010 

1 

10.25 

28.75 

65.75 

139.75 

287.75 

583.75 

1175.75 

3 

0011 

1.5 

11.25 

30.75 

69.75 

147.75 

303.75 

615.75 

1239.75 

4 

0100 

2 

12.25 

32.75 

73.75 

155.75 

319.75 

647.75 

1303.75 

5 

0101  2.5 

13.25 

34.75 

77.75 

163.75 

335.75 

679.75 

1367.75 

6 

0110 

3 

14.25 

36.75 

81.75 

171.75 

351.75 

711.75 

1431.75 

7 

0111 

3.5 

15.25 

38.75 

85.75 

179.75 

367.75 

743.75 

1495.75 

8 

1000 

4 

16.25 

40.75 

89.75 

187.75 

383.75 

775.75 

1559.75 

9 

1001 

4.5 

17.25 

42.75 

93.75 

195.75 

399.75 

807.75 

1623.75 

10 

1010 

5 

18.25 

44.75 

97.75 

203.75 

415.75 

839.75 

1687.75 

11 

1011 

431.75 

871.75 

1751.75 

12 

1100 

6 

20.25 

48.75 

105.75 

219.75 

447.75 

903.75 

1815.75 

13 

1101 

6.5 

21.25 

50.75 

109.75 

227.75 

463.75 

935.75 

1879.75 

14 

1110 

7 

22.25 

52.75 

113.75 

235.75 

479.75 

967.75 

1943.75 

15 

1111 

7.5 

23.25 

54.75 

117.75 

243.75 

495.75 

999.75 

2007.75 

STEP  SIZE 

.50 

1 

2 

4 

8 

16 

32 

64 

•Virtual  Decision  Level 
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A  similar  exercise  will  yield  a  corresponding  table  for  the 
A-law  part.  Multiplying  all  the  numbers  in  the  normalized 
A-law  table,  for  instance,  will  produce  a  table  of  currents  for  a 

A-Law  Current  Output  Table 


reference  input  of  512/iA.  A  table  based  on  512^A  reference 
current  will  have  a  step  size  of  1.0>A  and  is  tabulated  in  the 
n-law  current  output  table. 


IDEAL  DECODE  OUTPUT  CURRENT  IN  MICROAMPS  (SIGN  BIT  EXCLUDED) 


i_  CHORD 

0 

2 

3 

4 

6  — 

6 

7 

STEP  — —  

000 

001 

010 

01 1 

100 

101 

110 

m 

Q 

0000 

 16.5 

 _33  

— 66  

DdO 



0001 

— _ 

1.5 

17.5 

35 

70 

DDU 



2 

0010 

2.5 

18.5 

37 

286 

592 

1184 

3 

001 1 

3.0 

19.5 

39 

 - 

78 

— ~- 
156 

312 

D24 

1Z4B 

.  4 

0100 

4.5 

41 

82 

164 

326 

1312 

5 

 .  ?101  

O.D 

21 .5 

4J 

1 72 

344 

1  J/D 

86 

688 

6 

0110 

DO 

22.5 

45 

90 

180 

JOU 

f  2U 

1440 



7 

0111 

7.5 

23.5 

47 

94 

188 

376 

752 

1504 

 '  

8 

1000 

8.5 

24.5 

49 

98 

196 

392 

784 

1568 

 ,  

9 

1001 

9.5 

25.5 

51 

102 

204 

408 

816 

1632 

 K8- 

10 

1010 

10.5 

265 

53 

106 

212 

424 

848 

1696 

11 

1011 

11.5 

27.5 

55 

110 

220 

440 

880 

1760 

12 

1100 

12.5 

28.5 

57 

114 

228 

456 

912 

1824 

13 

 ei"*"  

1101 

135 

-  29.5 

 9r  

59 

118 

-*•  

236 

472  - 

944 

1888 

14 

1110 

14.5 

30.5 

61 

122 

244 

488 

976 

1952 

15 

1111 

15.5 

31.5 

63 

126 

252 

504 

1008 

2016 

STEP  SIZE 

1 

2 

4 

8 

16 

32 

64 

s  -ie  a»«t'i  - 

Reviewing  the  companding  DAC  functional  diagram  Figure 
8  demonstrates  the  relationship  between  step  size  and  lREF. 
For  a  /i-law  device  Ico  equals  16.5  chord  zero  steps  and  for 
an  A-law  device  Ico  equals  16  chord  zero  steps.  IC6  is  always 
equal  to  lREF  in  either  system.  Ic6  is  then  equal  to  64  times 
Ico  'or  a  /i-law  system,  and  32  times  Ico  for  an  A-law  system. 
The  step  size  can  then  be  related  to  lREF  by  the  following 
equations: 

step  size  =  lREF/64  X  16.5  =  lREF/1056  (Haw) 
step  size  =  lREF/32  X  16  =  lREF/512  (A-law) 

Now  for  a  reference  current  of  528/iA  the  step  size  for  a  /x-law 
system  is  528/1056  or  0.5/iA.  For  a  reference  current  of 
512jiA  the  step  size  for  an  A-law  system  is  512/512  or  1.G>A. 
These  values  concur  with  those  used  to  generate  the  tables. 

In  the  design  of  the  PMI  DAC-89  the  biasing  resistors  were 
not  scaled  to  exactly  integer  values.  This  was  done 
deliberately  to  standardize  somewhat  on  528/iA  input 
reference  current  for  both  A-law  and  /Haw  parts.  The  perfor- 
mance of  the  device  is  not  affected,  however  the  actual 
scaling  is  somewhat  complicated  and  will  not  be  discussed 
in  this  paper. 

Finally  if  encode  output  tables  were  desired  for  current  out- 
put they  could  be  obtained  by  scaling  to  proper  step  size  the 
normalized  encode  tables  or  adding  one-half  step  to  each 
value  in  the  decode  table,  where  the  step  size  depends  on 
the  chord  number. 


DAC  ACCURACY 

Companding  DACs  must  be  manufactured  to  satisfy  a  unique 
set  of  parameters.  The  performance  of  a  companded  DAC 
used  for  telephony  must  satisfy  the  requirements  of  a  com- 
munication system  on  an  end-to-end  basis.  A  voice  channel 
is  first  encoded  by  one  CODEC  then  decoded  by  a  second 
CODEC  such  that  the  system  performance  can  be 
measured  on  an  audio-in-audio-out  basis.  The  CODEC  per- 
formance will  be  almost  completely  dominated  by  the  Gain 
Tracking  requirement. 

GAIN  TRACKING 

Gain  Tracking  refers  to  the  ability  of  a  system  to  track  its  in- 
put power  level.  The  test  is  normally  made  with  a  system 
such  as  that  shown  in  Figure  12. 

Gain  Tracking  is  measured  by  monitoring  the  input  and  out- 
put levels  in  decibels.  At  an  input  level  of  -10Bm0  the  out- 
put is  recorded  as  the  output  reference  level.  For  ideal  Gain 
Tracking,  any  change  (in  dB)  of  the  input  level  must  be 
matched  exactly  by  the  same  change  in  the  output  level. 


HP 

COMPLETE  CODEC 
SYSTEM  INCLUDING 
FILTERS 

COMPLETE  CODEC 
SYSTEM  INCLUDING 
FILTERS 

HP 

3551 A 

3551A 

Figure  12.  Gain  Tracking  or  S/N  Test 
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This  condition  is  monitored  over  all  input  power  levels  of  in- 
terest. The  extent  to  which  these  power  level  changes  differ 
(again  in  dB)  is  a  measure  of  Gain  Tracking,  also  referred  to 
as  gain  deviation.  The  ATT/D3  Gain  Tracking  specification  is 
show  in  Figure  13. 


-0.5 


mm 

L 

W////////////////M 

INPUT 

LEVEL 

-50  -3 

T 

-10  + 

dBmO 

i 

w///////, 

Figure  13.  ATT/D3  Gain  Tracking  Specification 

CCITT  publishes  two  separate  specifications  for  Gain  Track- 
ing. The  apparatus  used  for  making  either  of  these  tests  is 
basically  the  same  as  that  used  in  Figure  13  except  that  for 
the  first  part  of  the  "method  one"  test  the  HP3551A  would 
be  replaced  with  a  suitable  white  noise  source  at  the  input 
and  an  RMS  reading  voltmeter  at  the  output.  Gain  Tracking 


masks  equivalent  to  those  found  in  CCITT  publications  are 
shown  in  Figure  14. 

POWER  LEVELS 

For  PCM  channel  performance  measurements,  power  levels 
are  characteristically  expressed  in  dBmO.  A  reference  level 
of  OdBmO  is  established  by  referencing  to  a  code  in  the 
digital  transmission.  The  binary  code  pattern  required  to 
establish  a  reference  level  of  OdBmO  can  be  found  in  the 
CCITT  publications.  This  pattern  is  reproduced  in  the  PMI 
Telecommunications  Handbook  for  the  readers  conve- 
nience. The  constant  repetition  of  these  binary  numbers  at 
the  normal  sampling  rate  of  8kHz  will  produce  a  1kHz 
sinusoid  at  a  OdBmO  reference  level.  Starting  with  this 
definition  it  can  then  be  shown  that  a  sinusoid  whose  peak 
value  is  just  at  the  system  saturation  level  (all  "1s"  PCM 
output)  will  have  a  power  level  of  3.14  and  3.17dBmO  for 
A-law  and  ji-law  respectively. 

SIGNAL-TO-DISTORTION  MEASUREMENTS 

Signal-to-Distortion  is  a  measure  of  the  total  distortion  a 
system  will  exhibit  on  an  end-to-end  basis.  As  with  Gain 
Tracking  this  measurement  is  normally  performed  on  an 
audio-to-audio  basis.  A  typical  setup  for  measuring  Signal- 
to-Distortion  is  shown  in  Figure  15.  A  wideband  (3kHz)  filter 
may  be  substituted  for  the  C-Message  filter  shown  for  some 
tests. 

Figure  16  shows  the  ATT/D3  specification  mask  with  the 
performance  of  a  PMI  demonstration  COMDAC®  based 
shared  CODEC  system  superimposed.  This  method  of  meas- 
uring Signal-to-Distortion  is  applicable  to  either  CCITT  or 
ATT  specifications. 
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Figure  14.  CCIT  Gain  Tracking  Specification 
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Figure  15.  Signal-to-Distortion  Test  Setup 

DAC  ACCURACY  VERSUS  GAIN  TRACKING  AND 
SIGNAL-TO-DISTORTION  RATIO 

The  analog  portions  of  a  PCM  system  usually  make  only  a 
minor  contribution  to  either  Gain  Tracking  or  Signal-to- 
Distortion  errors.  Thus,  the  major  contribution  to  error  is  the 
inability  of  the  companding  DAC  to  accurately  follow  the  en- 
coding format.  The  process  of  quantizing  and  coding  will 
cause  some  deviation  from  the  ideal,  however  the  errors 
made  by  the  ideal  CODEC  system  will  be  well  within  telephony 
specifications.  To  conform  to  the  required  Gain  Tracking 
and  Signal-to-Distortion  specifications  the  DAC  output  cur- 
rents must  conform  as  closely  as  possible  to  the  ideal  trans- 
fer function  as  tabulated  in  the  normalized  tables.  This  cor- 
responds to  a  specification  of  absolute  error  on  the  DAC 
output  current  with  respect  to  its  binary  inputs.  The 
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Improved  Shared-Channel  CODEC  Design 
with  Analog  Devices'  Companding  DACs 


DESIGNERS  FACE  CHOICE 

Designers  of  telecommunications  systems  are  faced  with  a 
fundamental  design  decision;  they  must  base  the  design  of 
digital  voice  transmission  systems  on  either  the  use  of  a 
CODEC  shared  over  several  analog  channels  or  on  the  use  of 
one  CODEC  per  channel. 

Since  1976,  users  of  ADI's  shared-channel  approach  point  to 
the  economical  advantages  of  a  system  that  incorporates  an 
encoder  and  a  decoder  capable  of  accommodating  multiple 
voice  channels.  Proponents  of  single-CODEC-per-channel 
systems  generally  cite  the  straight-forward  techniques  in- 
volved in  implementing  this  concept  as  the  motivation  for  its 
selection. 

The  use  of  the  shared-CODEC  configuration  is  appealing 
because  fewer  integrated  circuits  per  channel  are  required 
and  less  circuit  board  area  per  channel  is  needed.  Because  of 
its  lower  cost  per  channel  and  lower  total  system  cost,  the 
shared-channel  CODEC  concept  looms  as  the  logical  choice 
for  designers  provided  it  can  meet  the  performance  needs  of 
their  systems. 

Recently,  new  telecommunication  components  were  intro- 
duced by  Precision  Monolithics  Incorporated  that  improve 
the  performance  that  can  be  obtained  from  a  shared-CODEC 
system;  the  availability  of  these  devices  could  influence 
future  design  decisions  in  favor  of  the  shared  CODEC  con- 
cept over  the  single-CODEC  approach.  These  newly  deve- 
loped devices,  including  the  DAC-88  and  the  DAC-89  COM- 
DAC»  companding  D/A  converters,  and  the  DMX-88  demul- 
tiplexer, not  only  provide  performance  which  is  superior  to 
previously  existing  products,  they  are  also  easier  to  apply. 


The  degree  of  improvement  offered  by  these  devices  and  the 
present  capabilities  of  a  shared-CODEC  system  can  be 
demonstrated  using  the  circuit  configuration  shown  in  Fig- 
ure 1.  This  configuration,  an  eight-channel  digital  transmis- 
sion system,  was  designed  and  breadboarded  by  PMI  as  a 
vehicle  for  measuring  the  analog-input  to  analog-output 
transmission  parameters  commonly  used  to  specify  CODEC 
performance  regardless  of  the  particular  system  config- 
uration. 

Two  of  the  components  employed  in  the  transmission  sys- 
tem shown  in  Figure  1,  the  companding  digital-to-analog  ■ 
converter  and  the  analog  multiplexer  represent  improved  | 
versions  of  previously  existing  products  and  are  key  contrib- 
utors to  the  superior  performance  the  system  demonstrates 
over  previous  versions. 

In  the  redesign  of  the  companding  DAC,  it  was  felt  that  the 
best  results  would  be  achieved  by  improving  the  device's 
response  within  chord  0.  Two  design  goals  were  set:  to  estab- 
lish a  reasonable  settling  time  within  chord  0  and  to  provide  a 
guaranteed  better  than  ±1/4  step  linearity  within  that  chord. 
Excellent  results  were  obtained  for  both  /Haw  and  A-law 
devices. 

The  new  version  of  the  companding  DAC  typically  settles 
within  500ns,  thus  overcoming  a  restriction  that  had  pre- 
viously reduced  the  maximum  number  of  channels  for 
encoding.  The  IC's  nominally  settle  to  within  ±1/8  step  of  the 
theoretical  level  in  chord  0  and  are  100%  tested  to  be  no 
worse  than  ±1/4  step. 

Because  of  testing  time  restrictions,  the  settling  time  is  given 
as  a  nominal  specification.  The  guaranteed  linearity  specifi- 
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Figure  1.  Eight-Channel  Test  Configuration 
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cation,  in  conjunction  with  the  nominal  settling  time  data, 
can  provide  the  designer  with  the  data  needed  to  determine  if 
the  performance  needs  of  his  system  can  be  satisfied. 

When  the  earlier  version  of  the  output  multiplexer  was  used 
as  a  sample-and-hold  and  switch,  it  was  found  that  certain 
characteristics  of  the  device  caused  idle  channel  noise  and 
transmission  degradation.  An  analysis  showed  that  reduc- 
tion of  the  charge  injected  during  the  switch  turn-off  would 
enhance  the  performance  of  the  device.  The  effect  of  the 

charge  injection  becomes  important  because  of  the  capacit- 
ance added  to  the  MUX  output.  This  output  drives  a  high- 
impedance  load  (the  PCM  filter)  and  without  a  discharge 
path,  the  charge  adds  to  the  analog  output  being  switched 
through  the  multiplexer.  Because  of  the  use  of  an  improved 
JFET  switch  structure,  the  new  multiplexer  exhibits  a  dis- 
charged only  1/4  of  1/5  of  the  value  for  the  previous  device. 
Tests  reveal  that  the  idle  channel  noise  is  reduced  by  several 
dB  when  the  DMX-88  is  used  as  the  output  switch  and 
sample-and-hold.  In  addition,  the  reduced  amount  of  charge 
permits  the  use  of  a  smaller  value  capacitor  and  thus 
increases  the  number  of  output  channels  that  can  be 
decoded. 

DEMONSTRATOR  MODIFICATIONS 

The  most  obvious  system  improvement  provided  by  the 
eight-channel  system  depicted  in  Figure  1,  compared  to  an 
earlier  design  developed  by  ADI  (described  in  the  ADI  appli- 
cation note  AN-37),  is  a  simplified  encoder  clocking  scheme. 
In  the  original  circuit,  additional  settling  time  was  required 
because  of  the  slower  changing  bits. 


The  new  version  of  the  clocking  circuitry  still  employs  a 
programmable  read-only  memory  (PROM)  for  flexibility  in 
performing  future  modifications  and  experimentation.  How- 
ever, the  clock  pattern  is  markedly  changed.  The  new  SAR 
clock  timing  diagram  is  shown  in  Figure  2.  As  can  be  seen,  bit 
clocking  is  accomplished  with  a  set  772  kHz  clock.  This 
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Figure  2A.  Encode/Decode  Controller 
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allows  9.1  iiS  (eight-channel  rate)  for  encoding;  the  remain- 
ing cycle  time  (6.5 /us)  is  used  for  sampling  the  analog  signal 
and  holding  the  level  to  be  encoded.  The  remaining  cycle 
time  is  divided  as  follows:  sample  period,  4.55  jis;  transition 
time  between  the  hold  signal  and  the  sign  bit  acquisition, 
1.95  lis. 

The  sampling  time  for  the  new  clocking  scheme  is  longer 
than  it  was  for  the  old  design  (4.5  /us  as  compared  to  3.2  ms) 
and  the  hold  settling  time  has  increased  from  0.65  to  1 .95  /is. 
As  a  result,  the  values  measured  for  gain  tracking  differential 
(linearity)  at  low  input  levels  (-55  dBmO)  provide  an  indica- 
tion of  the  improved  response. 

Since  the  clocking  pattern  has  been  simplified,  the  number 
of  TTL  gates  needed  is  less  than  had  been  required  by  the 
original  configuration.  An  even  simpler  clocking  scheme  can 
be  designed  by  replacing  the  PROM,  address  counter  and 
data  latch  with  a  "D"  flip-flop  and  some  additional  gates.  The 
use  of  a  programmable  clock  generator,  however,  was 
advantageous  in  demonstrating  the  effects  of  various  circuit 
components  on  the  overall  transmission  performance.  For 
example,  by  increasing  the  sample  time  and  thereby  reduc- 
ing the  hold  settling  time  (keeping  the  SAR  clock  the  same 
frequency),  the  system  tends  to  show  different  characteris- 
tics. The  gain  tracking  stays  within  spec,  but  signal-to-total 
distortion  increases  at  levels  below  -40dBmO.  The  crosstalk 
performance  (adjacent  channel)  also  deteriorates.  Appar- 
ently both  of  these  effects  are  results  of  the  output  settling  of 
the  sample-and-hold  device.  The  point  is  that  by  designing 
with  a  system  consisting  of  individual  devices  the  user  can 
more  precisely  determine  those  components  that  have  the 
greatest  effect  on  system  characteristics.  The  design  can 
then  be  adapted  to  maximize  certain  performance  attributes 
in  lieu  of  other,  less-important  characteristics.  The  system  as 


finalized  in  these  notes  is  a  compromise  system,  one  aimed 
at  providing  adequate  performance  in  various  applicaitons. 
The  final  design  modifications  are  left  up  to  the  individuals 
responsible  for  the  specific  systems. 

The  DAC-88  and  DAC-89  have  idle  currents  present  on  the 
selected  output  leads;  these  currents  are  equal  on  both  the 
positive  and  negative  outputs  and  are  normally  around  10^A. 
The  DAC-89EX  is  specified  at  a  lower  reference  current  than 
the  DAC-88.  The  new  reference  is  16/uA  less  than  the  original 
value.  The  tests  described  here  were  performed  with  constant 
reference  current  for  both  the  DAC-88  and  the  DAC-89.  The 
effect  on  the  A-law  measurements  means  the  full-scale  output 
is  2079/xA  instead  of  2016,uA.  Although  all  steps  are  slightly 
expanded,  for  the  purpose  of  the  data  collected  here  the 
reference  current  difference  is  negligible. 

The  normal  testing  configuration  used  was  to  provide  a  test 
signal  input  in  one  channel  and  monitor  the  output  of  that 
channel  (or  adjacent  channels  for  crosstalk)  with  a  PCM 
receive  filter  and  the  prescribed  receiver.  The  test  diagram  is 
shown  in  Figure  3.  It  becomes  important  to  ground  all 
unused  encoder  inputs  to  provide  the  proper  termination.  It 
also  is  very  important  when  laying  out  system  boards  to 
generate  sufficient  ground  planes  and  proper  isolation 
between  analog  and  digital  ground  areas.  The  common  point 
of  these  ground  areas  should  be  as  close  to  the  power  supply 
as  possible.  Also  "daisy-chaining"  of  ground  returns  should 
be  avoided.  Careful  consideration  of  grounding  can  help 
improve  all  system  parameters. 

The  transmission  test  results  collected  with  this  system  are 
shown  in  Figures  4  through  6.  An  example  of  results  with  a 
different  clock  pattern  is  also  presented. 
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Figure  6.  DAC-88EX  with  Altered  Encode  Clock  (Reduced  Hold  Settling  Time) 


Comparisons  of  idle  channel  noise  measurements  using  the 
MUX-88  and  the  DMX-88  are  shown  in  Figures  7  and  8.  It  is 
important  to  notice  that  these  measurements  were  made  at 
the  input  to  the  PCM  output  filter.  Collecting  data  at  the  filter 
output  is  not  feasable  because  the  noise  values  are  too  low 
for  the  equipment  being  used.  To  show  the  difference 
between  the  new  and  old  components,  a  measurement  was 
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made  that  yielded  some  data.  However,  for  both  devices  the 
idle  channel  noise  is  well  within  the  normal  system  guide- 
lines. The  test  data  shows  the  difference  due  to  reduced  i 
device  charge  injection  of  the  DMX.  Using  a  10,000pF  hold  | 
capacitor  produces  at  least  a  10dB  improvement  for  the  DMX 
and  when  the  hold  capacitor  is  reduced,  the  improvement  is 
even  more  obvious.  The  smaller  hold  capacitor  allows  the 
D/A  circuit  to  drive  more  channels.  Since  the  current  capabil- 
ity of  the  multiplexer  switch  is  limited,  a  smaller  capacitor 
means  less  charge-up  time  is  required  and  a  faster  settling 
time  is  possible.  The  "demultiplexer"  allows  the  user  the 
option  of  reducing  the  hold  capacitance  without  affecting 
the  idle  channel  noise  performance. 
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Figure  8.  Idle  Channel  Noise 
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Another  demonstrator  design  change  was  added  to  show 
how  additional  reduction  of  crosstalk  is  possible  through 
proper  control  of  the  output  multiplexer.  The  first  design  did 
not  make  use  of  the  enable  function  of  the  output  switch .  As  a 
new  digital  word  was  latched  to  the  decode  circuit,  the  out- 
put MUX  address  was  switched.  The  timing  involved  in  these 
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Figure  9.  Crosstalk 


two  sequences  is  such  that  some  signal  feedthrough  is  seen 
due  to  the  data  latch  and  D/A  circuit  (DAC-88/89and  OP-16) 
settling  more  quickly  than  the  MUX  switch  can  open.  Per- 
formance is  improved  by  the  MUX  being  disabled  prior  to  the 
analog  channel  being  switched.  This  assures,  by  using  lead 
CC,  that  the  MUX  is  completely  open  while  the  new  decoder 
output  is  settling.  The  MUX  address  is  then  switched  and  the 
MUX  enabled.  The  timing  of  these  signals  is  shown  with  the 
SAR  clock  in  Figure  2.  The  crosstalk  measurements  are 
shown  in  Figure  9. 

CONCLUSIONS 


Thanks  to  the  use  of  newly  developed  components,  the  ADI 
eight-channel  CODEC  demonstrator  reveals  the  performance 
possible  with  a  multiple  channel  digital  transmission  system. 
As  illustrated  by  the  test  results,  the  transmission  perfor- 
mance has  been  improved  from  that  shown  in  AN-37. 
Moreover,  the  design  is  simpler  and  even  more  economical. 
Working  with  an  eight-channel  system  allows  the  designer  to 
investigate  additional  improvements  in  and  advantages  of 
the  multiple-channel  approach.  Because  of  this,  AOI  makes 
a  set  of  boards  available  (encoder,  decoder,  controller)  to 
any  customer  interested  in  investigating  the  advantages  to  a 
shared-channel  design. 

The  system  is  still  the  basic  design  presented  in  AN-37  and 
the  work  described  in  that  note  has  aided  in  continuing 
improvement  of  ADI  components  A  complete  demonstra- 
tion system  schematic  is  shown  in  Figure  10. 

ADI  is  committed  to  providing  telecommunication  compo- 
nents capable  of  meeting  and  exceeding  all  requirements  for 
digital  switching  and  transmission  systems.  We  feel  the 
shared-channel  approach  provides  economic  and  space 
advantages  over  the  use  of  single-channel  CODEC'S  in  many 
designs.  It  has  also  been  seen  by  several  of  our  customers, 
that  since  our  designs  use  individual  components,  by  prop- 
erly specifying  these  parts,  the  overall  system  performance 
can  be  guaranteed.  This  can  provide  savings  in  component 
and  board-level  testing  costs.  The  system  designer  needs 
only  to  evaluate  the  ADI  approach  to  become  aware  of  the 
possibilities  it  holds  in  terms  of  digital  transmission  system 
design. 
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Figure  10B.  Demo  System  Decode  Board 
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A1  kHz,0dBm0 
Standard  Signal  Generator 


The  CCITT  standards  concerning  line  transmission  include 
a  specification  demonstrating  the  relationship  between  the 
encoding  laws  ( A-law  or  /i-law)  and  a  standard  audio  signal 
level.  The  relationship  is  such  that  when  a  specific  periodic 
sequence  of  character  signals  are  applied  to  the  appropriate 
decoder,  the  output  will  be  a  sine-wave  signal  at  1  kHz  with  a 
nominal  level  of  OdBmO.  The  prescribed  digital  characters 
are  those  represented  in  Tables  1  and  2. 

While  developing  the  multiple-channel  CODEC  systems,  it 
became  useful  to  test  the  encoder  and  decoder  portions  of 
the  circuit  separately.  To  complete  such  tests,  a  CCITT- 
standard  signal  generator  was  produced.  The  generator 
consists  of  five  TTL  packages  and  is  driven  by  an  8kHz 
signal.  The  required  digital  sequence  is  simple  to  implement 
as  four  of  the  outputs  are  constant  values.  For  the  remaining 


active  bits,  a  four  bit-binary  counter  was  used  to  produce  an 
appropriate  sequence.  As  is  shown  in  the  schematic  ( Figure 
3),  the  counter  clocks  from  0101  to  1100  and  then  repeats. 
This  sequence  directly  provides  the  output  for  bits  4  and  6 
and  the  inverted  bit  8.  With  additional  logic,  the  remaining 
bit,  bit  1,  is  also  available. 

The  usefulness  of  such  a  generator  is  seen  first  of  all  in 
trouble  shooting  any  preliminary  CODEC  designs.  Secondly, 
for  ADI,  it  provided  a  small,  easily  transportable  signal 
source  to  be  used  in  ADI's  eight-channel  CODEC  demon- 
stration unit.  Using  the  ditgital  signal  generator  in  conjunction 
with  an  ADI  DAC-88  or  89  and  an  OP-16  provides  an  analog 
driver  capable  of  producing  the  CCITT  standard  transmis- 
sion signal.  The  completed  signal  generator  schematic  is 
shown  in  Figure  4. 


Table  1.  A-Law 

Character  Signals 


Transmitted  Characters* 


Table  2.  /u-Law 

Character  Signals 


Transmitted  Characters* 


B1 

B2 

B3 

B4 

B5 

B6 

B7 

B8 

B1 

B2  B3 

B4 

B5 

B6 

B7 

B8 

B1 

B2 

B3 

B4 

B5  B6  B7 

B8 

B1 

B2 

B3  B4 

B5 

B6 

B7 

B8 

0 

0 

1 

1 

0 

1 

0 

0 

0 

1  1 

0 

0 

0 

0 

1 

0 

0 

0 

1 

1     1  1 

0 

1 

1 

1  0 

0 

0 

0 

1 

0 

0 

1 

0 

0 

0 

0 

1 

0 

1  1 

1 

0 

1 

0 

0 

0 

0 

0 

0 

1     0  1 

1 

1 

1 

1  1 

0 

1 

0 

0 

0 

0 

1 

0 

0 

0 

0 

1 

0 

1  1 

1 

0 

1 

0 

0 

0 

0 

0 

0 

1     0  1 

1 

1 

1 

1  1 

0 

1 

0 

0 

0 

0 

1 

1 

0 

1 

0 

0 

0 

1  1 

0 

0 

0 

0 

1 

0 

0 

0 

1 

1    1  1 

0 

1 

1 

1  0 

0 

0 

0 

1 

1 

0 

1 

1 

0 

1 

0 

0 

1 

1  1 

0 

0 

0 

0 

1 

1 

0 

0 

1 

1    1  1 

0 

0 

1 

1  0 

0 

0 

0 

1 

1 

0 

1 

0 

0 

0 

0 

1 

1 

1  1 

1 

0 

1 

0 

0 

1 

0 

0 

0 

1     0  1 

1 

0 

1 

1  1 

0 

1 

0 

0 

1 

0 

1 

0 

0 

0 

0 

1 

1 

1  1 

1 

0 

1 

0 

0 

1 

0 

0 

0 

1     0  1 

1 

0 

1 

1  1 

0 

1 

0 

0 

1 

0 

1 

1 

0 

1 

0 

0 

1 

1  1 

0 

0 

0 

0 

1 

1 

0 

0 

1 

1    1  1 

0 

0 

1 

1  0 

0 

0 

0 

1 

•Transmitted  Characters  for  A-LAW  are  obtained  by  inverting  even  bits  ot 
Character  Signals. 


"Transmitted  Characters  tor  ,i-LAW.  all  bits  are  inverted. 
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Figure  3.  Character  Generator 
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Figure  4. 1kHz,  OdBmO  Sine-Wave  Generator 
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Cross-Plot  Generator  Allows  Quick 
A/D  Converter  Evaluation 


INTRODUCTION 

The  testing  of  analog-to-digital  converters  iADCsi  can  be  a 
difficult  and  time  consuming  process.  The  cross-plot  generator 
described  here  provides  a  quick,  low-cost  way  to  evaluate  ADCs. 

ADCs  AND  THEIR  TESTING 

Analog-to-digital  converters  generate  a  digital  code  for  each 
discrete  value  of  analog  input  voltage.  The  number  of  codes  is  a 
function  of  resolution.  For  example,  an  8-bit  device  has  256 
codes.  The  resolution  is  equal  to  1/256  of  the  full-scale  analog 
voltage.  12-bit  converters  have  4096  codes  and  can  resolve  to 
1/4096  of  the  full-scale  voltage.  The  number  of  codes  can  be 
expressed  as  2n  where  n  =  number  of  bits. 

Testing  ADCs  can  be  a  difficult  task.  Modern  high-resolution 
devices  tax  the  speed  and  accuracy  of  measurement  equipment. 
Linearity  tests  are  highly  data-intensive  and  dynamic  measure- 
ments require  complex  and  costly  test  apparatus. 

CROSS-PLOT  GENERATOR 

The  cross-plot  generator  is  a  simple  approach  to  ADC  evalua- 
tion. The  system  uses  basic  test  equipment,  simple  logic  and 
timing,  and  is  compatible  with  converters  of  any  resolution. 

The  test  circuit  'see  Figure  1 1  consists  of  two  D/A  converters 
DACs  i  which  reconstruct  the  digitized  information  and  display 
the  data  in  a  dot-matrix  format  see  Matrix  Photos).  This  format 
allows  the  user  to  view  the  entire  transfer  function  in  real  time. 


Each  dot  in  the  matrix  represents  one  digital  code.  Missing  or 
narrow  codes  are  identified  as  missing  or  dim  dots  in  the 
displayed  matrix. 

This  test  method  yields  four  types  of  data: 

1.  Missing  code  identification 

2.  Dynamic  response  (conversion  speed 

3.  Converter  code-width 

4.  System  noise 

FIGURE  1:  Block  Diagram 


BITSX 


BITS  0  TO  IX  2)  1 


> 


OSCILLOSCOPE 


NUMBER  OF  AOC  BITS  OF  RESOLUTION 


CROSS-PLOT  MATRIX 


FULL-SCALE 
11  1111  1111 


ZERO-SCALE 
00  0000  0000 


HALF-SCALE 
10  0000  0000 


The  dot-matrix  field  for  a  10-bit  converter  is  pictured 
above.  The  photo  illustrates  a  32  x  32  dot-matrix  or 
1024  dots. 

The  DUT  is  an  ADC-910  operating  with  a  nominal  6>is 
conversion  time.  The  inputs  are  a  10Hz,  0  to  10V  triangle 
wave  and  a  1  MHz  clock  pulse  train.  These  inputs  result  in 
approximately  three  conversions  per  code. 


As  illustrated  in  the  photo  above,  missing  and  narrow 
codes  are  clearly  visible  as  weak  or  absent  dots  in 
the  array. 

In  this  case,  as  conversion  speed  is  increased  beyond  the 
ADC's  capability,  missing  codes  are  observed. 
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FIGURE  2:  Block  Diagram 
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The  cross-plot  test  set-up  is  shown  above.  The  equipment 
required  is:  a  waveform  generator,  pulse  generator  used 
as  an  external  clock  i,  oscilloscope  with  X-Y  function,  and 
a  frequency  counter  or  second  oscilloscope  i  to  determine 
clock  frequency  and  conversion  time). 

The  ADC  is  configured  in  a  free  running  (continuous 
conversion)  mode.  An  input  triangle  wave  and  clock  are 
applied  to  the  ADC  isee  Timing  Diagram).  The  ADC 


executes  a  conversion  and  presents  the  data  to  the  Data 
Bus.  The  data  is  then  divided  into  higher  and  lower  order 
bytes  and  latched  into  the  DACs  by  the  latch  control  line. 
Following  current  to  voltage  conversion,  the  DAC  outputs 
drive  the  oscilloscope  (higher  order  driving  the  X-input, 
lower  order  driving  the  Y-input),  creating  the  dot-matrix 
field. 


MISSING  CODES 

One  form  of  converter  malfunction  occurs  when  some  digital 
codes  are  absent  or  missing.  Missing  codes  can  cause  serious 
problems  in  systems  level  applications.  These  missing  codes 
can  be  identified  as  holes  in  the  dot-matrix  field. 

DYNAMIC  TESTING 

Conversion  speeds  can  be  measured  with  the  cross-plot  genera- 
tor. A  slow  triangle  wave  is  applied  to  the  ADC's  input.  The 
waveform's  voltage  is  adjusted  to  sweep  from  just  below  zero- 
scale  to  just  above  full-scale.  The  triangle-wave  test  frequency 
should  be  chosen  so  that  the  analog  input  remains  within 
1/2  LSB  during  the  converter's  conversion  time.  The  conversion 
clock  frequency  is  then  increased  until  conversion  codes  (dots 
in  the  array)  first  begin  dropping  out.  A  frequency  counter  is 
used  to  determine  the  clock  frequency  and  conversion  time. 


Alternately,  a  second  oscilloscope  may  be  used,  monitoring  the 
ADC's  Conversion  Complete  line,  to  determine  directly  the 


minimum  conversion  time. 


CODE  WIDTH 

Code-width,  or  differential  nonlinearity,  is  a  measure  of  the 
width  of  the  converter's  quantizing  bands.  Each  band  or  code- 
step  has  a  finite  value.  As  the  input  voltage  is  slowly  swept, 
several  conversions  take  place  for  each  code  value.  Since  the 
number  of  conversions  is  dependent  upon  code-width,  shorter 
codes  produce  fewer  conversions.  The  intensity  of  each  dot 
displayed  in  the  matrix  is  a  direct  function  of  the  number  of 
conversions  and  hence  the  code-width.  Dimmer  dots,  therefore, 
denote  narrower  codes  and  higher  differential  nonlinearities. 
Narrow  code-widths  are  depicted  in  the  dot-matrix  photograph. 
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SYSTEM  NOISE 

The  cross-plot  generator  can  be  used  to  determine  the  repeat- 
ability of  ADCs.  By  slowing  down  the  input  triangle  wave 
frequency  to  0.1  Hz,  the  oscilloscope  should  ideally  display  one 
dot  at  a  time  when  the  input  voltage  is  between  code  transitions. 
As  the  input  voltage  approaches  a  code  transition,  two  dots  will 
appear  on  the  oscilloscope  screen.  Once  the  input  voltage 
moves  to  the  next  code,  a  single  dot  will  again  appear  on  the 
oscilloscope  screen.  If  the  ADC  system  has  noise  problems, 

FIGURE  3:  Schematic 




either  due  to  layout  or  the  ADC  itself,  the  oscilloscope  display 
will  show  two,  three,  or  more  dots  simultaneously.  This  is  an 
indication  of  undesirable  noise  in  the  system  causing  multiple 
output  codes  for  a  single  analog  input  voltage. 

Checking  prototype  circuits  with  this  test  can  help  quickly 
identify  the  noise  level  and  source.  Proper  location  of  bypass 
capacitors,  central  analog  ground,  and  digital  signal  lines  can  be 
easily  determined,  speeding  the  system  debugging  process. 


:  0.22*F 

Vod 


The  cross-plot  schematic  is  shown  above.  A  pair  of  PM- 
7545s  are  driven  directly  by  the  ADC's  outputs.  The  DACs 
drive  the  X-Y  inputs  of  the  oscilloscope  after  current-to- 


voltage  conversion  by  the  OP-01s.  Reference  voltage  for 
the  converters  is  provided  by  a  REF-01. 
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ANALOG  INPUT  =  OTO  10V 


A  typical  timing  diagram  for  a  10-bit  successive  approxi- 
mation conversion  system  iADC-910)  is  shown  above. 
The  analog  input  is  a  slow  triangle  wave  sweeping  the  full 
input  range  of  the  converter  i  shown  here  as  a  unipolar  10V 
rangei. 

The  clock  provides  a  time  base  for  the  converter  and  is 
several  orders  of  magnitude  faster  than  the  input  fre- 


quency. This  high  clock  frequency,  relative  to  the  analog 
input,  insures  that  the  analog  voltage  changes  less  than 
1/2  LSB  during  the  conversion  time. 


The  START/CC  signal  (sometimes  termed  BUSY"  is  gen- 
erated by  the  ADC  and  can  function  as  a  data-load  pulse 
for  the  DACs. 
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Video  Formats  and  Required  Load  Terminations 


by  Bill  Slattery 


A  number  of  international  standards  exist  for  specifying 
video  levels  used  in  television  and  video  monitors.  This 
application  note  describes  some  of  the  more  common 
standards  and  compares  their  similarities.  It  also  details 
the  required  load  terminations  for  Analog  Devices  video 
RAM-DACs  and  explains  how  alternate  video  standards 
can  be  implemented  by  altering  the  load  termination. 

VIDEO  STANDARDS 

The  NTSC  standard  is  the  one  most  commonly  used  in 
North  America  and  Japan,  while  Europe  uses  PAL  and 
SECAM  video  standards.  Figure  1  shows  an  RGB  video 
waveform,  and  Table  I  shows  the  associated  current, 
voltage  and  IRE  relationships  for  the  various  video 
standards. 


■ 


WHITE  LEVEL 


BLACK  LEVEL 
 BLANK  LEVEL 


Figure  1.  RGB  Video  Waveform 


Levels  Associai 


Video  Output 
Levels 

IRE  Units 

Volts 

Singly  Terminated  Line 
mA  (typ),  75(1  Monitor 

Doubly  Terminated  Line 
mA  (typ),  75H  Monitor 

NTSC 
RS-343A 

Blank  to  White 
Blank  to  Black 
Blank  Level 
Blank  to  Sync 

100 

7.5  ±5 

40  (typ) 

0.714  ±0.1 
0.054  (typ) 
0 

-0.286  ±0.05 

9.52 
0.714 

-3.81 

19.04 

1.43 

0 

-7.62 

NTSC 
RS-170 

Blank  to  White 
Blank  to  Black 
Blank  Level 
Blank  to  Sync 

100 

7.5  ±2.5 
40  ±5 

1.0  ±0.05 
0.075  (typ) 
0  . 

-0.4  (typ) 

13.33 

1  v 

0 

-5.33 

26.67 

2 

0 

-10.67 

PAL 

Blank  to  White 
Blank  to  Black 
Blank  Level 
Blank  to  Sync 

100 
0 

43  (typ) 

0.714  (typ) 

0 

0 

-0.307  (typ) 

9.52 

0 

0 

-4.09 

19.04 

0 

0 

-8.19 

SECAM 

Blank  to  White 
Blank  to  Black 
Blank  Level 
Blank  to  Sync 

100 
0  to  7 

43  (typ) 

0.714  (typ) 
0  to  0.049 
0 

-0.307  (typ) 

9.52 

0 

0 

-4.09 

19.04 

0 

0 

-8.19 

NOTE 

This  table  indicates  ihe  Blank  Level  as  being  the  zero  reference  level  while  the  Sync  Level  is  given  a  negative  value.  In  the  case  where  composite  sync  is  asserted 
using  the  DAC,  Analog  Devices  video  RAM-DACs  have  the  Sync  Level  as  the  zero  reference  level;  the  Blank,  Black  and  White  Levels  are  all  offset  positively  by 
the  value  of  Sync  Level.  This  will  have  no  effect  on  the  implementation  of  a  particular  standard  as  this  is  determined  by  the  relative  magnitude  of  the  Blank  Level 
relative  to  the  White  Level.  The  Blank  to  White  Level  remains  unchanged  whether  or  not  sync  is  being  asserted  by  the  DAC. 
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The  composite  video  waveform  illustrates  the  relation- 
ship between  the  white  level  and  blank  level  (gray  scale 
or  video  portion)  as  well  as  the  black  and  sync  levels. 
The  amplitude  level  between  the  blank  level  and  white 
level  is  defined  to  be  1 00  IRE  units.  This  corresponds  to  a 
voltage  level  of  either  1 V  or  0.714V.  The  newer  interna- 
tional standards  specify  the  lower  voltage  level  of 
0.714V.  The  RS-343A,  PAL  and  SECAM  standards  all 
specify  a  blank  to  white  level  of  0.714V,  while  RS-170 
specifies  a  level  of  1V.  The  blank  to  black  level,  also 
known  as  the  setup  or  pedestal,  is  used  to  ensure  a 
blacker  than  black  beam  level  during  retrace.  The  ampli- 
tude of  the  blank  to  black  level  varies  between  0  and 
approximately  7.5  IRE  units,  depending  on  the  video 
standard  used.  An  additional  40  to  43  IRE  units  are  re- 
quired to  drive  the  beam  to  the  sync  level.  The  sync 
levels  of  40  IRE  units  for  NTSC  and  43  IRE  units  for  both 
PAL  and  SECAM  are  close  enough  in  tolerance  to  the  40 
IRE  levels  of  Analog  Devices  video  RAM-DACs,  thus  en- 
abling Analog  Devices  parts  to  output  either  NTSC,  PAL 
or  SECAM  video  formats.  Table  I  illustrates  the  various 
amplitude  levels  and  their  tolerances  for  the  video  for- 
mats outlined  above. 

The  most  common  of  the  four  video  standards  used  in 
computer  graphics  is  RS-343A.  The  three  RGB  (red, 
green  and  blue)  signals  are  individually  generated,  each 
one  containing  video,  blanking  and  sync  information.  In 
many  cases  however,  sync  information  is  only  encoded 
onto  the  green  channel. 

LOAD  TERMINATIONS 

Analog  Devices  video  RAM-DACs  are  capable  of  driving 
75fi  monitors  using  either  doubly  terminated  or  singly 
terminated  loads.  Table  I  shows  the  currents  associated 


with  the  various  video  standards,  for  both  75fl  load 
termination  and  37. 5fl  (doubly  terminated  75fi)  load 
termination.  Figures  2  and  3  show  the  electrical  connec- 
tions between  the  video  RAM-DAC  and  monitor.  Any  of 
the  video  standards  listed  in  Table  I  can  be  implemented 
using  either  of  these  two  terminations.  Note  that  for 
singly  terminated  loads, 

'out  will  have  to  be  changed  by 

adjusting  lREF. 

IMPLEMENTATION  OF  RS-343A  AND  RS-170 

Analog  Devices  video  RAM-DACs  can  implement  either 
RS-343A  or  RS-170.  This  is  achieved,  in  the  case  of  a 
doubly  terminated  configuration,  by  varying  the  value  of 
the  source  termination  resistance  Zs.  Figures  4a  to  4d 
show  the  required  terminations  as  well  as  the  associated 
RGB  video  waveforms  for  both  RS-343A  and  RS-170 
implementation  when  using  the  ADV478/ADV471.  The 
assertion  or  nonassertion  of  sync  is  also  distinguished  in 
these  diagrams.  The  advantage  of  using  this  technique 
to  implement  the  different  video  standards  lies  in  the 
fact  that  the  output  current  level  of  the  DAC  need  not  be 
altered.  The  relationship  between  DAC  output  current, 
load  termination  resistance  and  voltage  across  the  mon- 
itor is  given  by 


V,  = 


!qut  '  Zs  ■  Zl 
Zs  +  ZL 


VL  *>  voltage  developed  across  monitor 

Iout  =  DAC  output  current 

Zs  =  source  termination  resistance 

ZL  -  cable/monitor  impedance 

Since  the  relevant  video  standard  is  determined  by  the 
voltage  developed  across  ZL,  altering  the  value  of  Zs  is  a 
simple  method  of  selecting  any  of  the  video  standards. 


(CABLE) 


ZL  =  75i! 
(MONITOR! 


Figure  2. 


2.  Singly  Termint 


Terminated  751!  Load 


lour 


Z0  =  75il 


(CABLE) 


ZL  =  75!l  S|vt 
(MONITOR)  ' 


Figure  3.  Doubly  Terminated  75S!  Load 
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ZL  =  75U 
IMONITOR) 


'  ♦  0.714V 
I  (MAX) 


VL  =  0.714V 

=  BLANK  TO  WHITE  LEVEL  (RS-343AI 


0  054 
0.000 


Figure  4a.  RS-343A  Load  Termination  &  RGB  Video  Waveform  (SYNC  Not  Asserted) 


'out 
19.04mA 


VL  =  1.0V 

=  BLANK  TO  WHITE  LEVEL  (RS-170! 


0  075 
0  000 


WHITE  LEVEL 


BLACK  LEVEL 
BLANK  LEVEL 


Figure  4b.  RS-170  Load  Termination  &  RGB  Video  Waveform  (SYNC  Not  Asserted) 


'6  67mA 


Z„  =  75H 


Zs  =  751l 


i  V^ 

T  1.0V 
I  (MAX] 


VL  =  1.0V 

=  (0.714  +  0.286IV 

=  BLANK  TO  WHITE  LEVEL  +  SYNC  LEVEL  (RS-343A) 


0.340 
0.286 


BLACK  LEVEL 
BLANK  LEVEL 


Figure  4c.  RS-343A  Load  Termination  &  RGB  Video  Waveform  (SYNC  Asserted) 


'out 


(MONITORI  £  |  jjjjjjj 


VL  =  1.4V 

=  (1.0  +  0.4IV 

=  BLANK  TO  WHITE  LEVEL  +  SYNC  LEVEL  IRS-1701 


WHITE  LEVEL 


BLACK  LEVEL 
BLANK  LEVEL 


Figure  4d.  RS-170  Load  Termination  &  RGB  Video  Waveform  (SYNC  Asserted) 
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SELECTABLE  TERMINATION 

Figures  5a  and  5b  illustrate  an  interesting  load  termina- 
tion technique  which  allows  the  user  to  select  either 
RS-343A  or  RS-170.  If  the  switch  is  in  the  closed  position, 
RS  343A  is  implemented.  If  the  switch  is  in  the  open 
position,  a  blank  to  white  voltage  level  of  1V  is  devel- 


oped  across  the  75!!  monitor  load,  corresponding  to 
RS-170.  In  the  case  where  sync  is  not  asserted  by  the 
DAC,  the  termination  is  as  shown  in  Figure  5a.  When 
sync  is  asserted  by  the  DAC,  the  output  must  be  termi- 
nated according  to  Figure  5b. 


Zs,  =  150fi 


zS2  =  i5on 


SWITCH 


Z„  =  75ll 


(CABLE) 








ZL  =  75Q 
(MONITOR) 


Figure  5a.  RS-343A  &  RS170  Selectable  Termination  (SYNC  Not  Asserted) 
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ZS1  =  17012- 


•  ZS2=135!i 


SWITCH 


Z0  =  75i! 


(CABLE) 


ZL  =  75!i 
(MONITOR) 


Figure  5b.  RS-343A  &  RS170  Selectable  Termination  (SYNC  Asserted) 
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□ ANALOG  AN-330 
DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Animation  Using  the  Pixel  Read  Mask  Register  of  the 
ADV47x  Series  of  Video  RAM-DACs 

by  Bill  Slattery  &  Eamonn  Gormley 


INTRODUCTION 

The  Pixel  Read  Mask  Register,  which  is  an  integral  part 
of  IBM's  VGA*  graphics  system,  can  be  used  as  a 
hardware-level  Pixel  Processing  Unit.  This  allows  real 
time  motion  or  animation  to  be  implemented  with  min- 
imal software  overhead.  This  application  note  examines 
the  operation  and  structure  of  such  a  pixel  processing 
unit  with  the  pixel  read  mask  register  as  the  central 
controller.  A  practical  application  which  uses  the  pixel 
read  mask  register  to  animate  a  picture  scene  is 
described.  A  complete  listing  of  the  Turbo-C  source  code 
is  given  in  the  appendix. 

No  additional  hardware  is  required  for  existing  VGA 
graphics  systems  to  implement  this  application. 

VIDEO  RAM-DAC 

Analog  Devices  produces  a  range  of  video  RAM-DACs, 
which  are  specifically  designed  for  IBM's  Personal 
System/2*  VGA.  The  range  includes  the  ADV478, 
ADV471  and  ADV476,  all  of  which  are  monolithic  +5  V 
CMOS  video  RAM-DACs.  These  parts  are  specified  over 


v~     v„     v„  v„ 

-0— ©—©—©■ 


DO  D7  RD         BSO  HS1  RS2 


NOTES 

1.  NUMBERS  IN  PARENTHESIS  INDICATE  PIN  NAMES  FOR  THE  ADV471. 

2.  NC  =  NO  CONNECT 

Figure  1.  ADV478/ADV47 1  Functional  Block  Diagram 

•IBM,  VGA,  Personal  System/2  and  8514/A  are  trademarks  of 
International  Business  Machines  Corp. 


a  number  of  speed  grades;  35  MHz,  50  MHz,  66  MHz  and 
80  MHz.  The  RAM-DACs  are  packaged  as  44-pin  PLCC 
and  28-pin  plastic  DIP  devices. 

The  ADV471  and  ADV476  each  contain  a  triple  6-bit 
digital-to-analog  converter  and  a  256  location  by  18  bits 
deep  color  look-up  table.  The  devices  also  include  an 
asynchronous  pixel  input  port  and  bidirectional  micro- 
processor (MPU)  port.  These  devices  and  the  associated 
control  circuitry  allow  for  flexible  interface  to  many 
graphics  systems  configurations.  The  ADV478  differs 
from  the  ADV471  only  in  terms  of  its  color  resolution. 
The  ADV478  has  a  triple  6-bit/8-bit  D/A  converter  with  a 
256  x  24/18  color  look-up  table.  The  color  resolution  of 
the  ADV478  is  user  selectable  between  6  bits  and  8  bits. 
The  higher  8-bit  performance  can  be  used  with  IBM's 
8514/A*  graphics  standard  (upgrade  on  standard  VGA). 
More  detailed  information  on  these  and  other  video 
RAM-DACs  can  be  obtained  in  the  relevant  product  data 
sheets. 

Built  into  all  three  devices  is  an  8-bit  register  known  as 
the  Pixel  Read  Mask  Register.  Figures  1  and  2  are  block 
diagrams  of  the  ADV478/ADV471  and  ADV476  which 
show  the  Pixel  Read  Mask  Register. 


Figure  2.  ADV476  Functional  Block  Diagram 
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Some  of  the  uses  to  which  the  Pixel  Read  Mask  Register 
can  be  put  include  on-screen  special  effects  such  as  real 
time  animation,  flashing  objects  and  overlays. 

PIXEL  READ  MASK  REGISTER 

The  Pixel  Read  Mask  Register  is  placed  in  the  path  of  the 
pixel  input  stream  of  data  as  shown  in  Figure  3. 

The  input  pixel  data  stream  (P0-P7)  is  gated  with  the 
contents  of  the  Pixel  Read  Mask  Register.  The  operation 
is  a  bitwise  logical  ANDing  of  the  pixel  data.  The  con- 
tents of  the  Pixel  Read  Mask  Register  can  be  accessed 
and  altered  at  any  time  by  the  MPU  (D0-D7).  Table  I 
shows  the  relevant  control  signals.  Under  normal  oper- 
ating conditions,  this  register  is  loaded  with  all  1s,  i.e., 
transparent  mode. 

In  a  VGA  graphics  system,  the  Pixel  Read  Mask  Register 
is  memory  mapped  and  is  accessible  (read/write)  by 
addressing  memory  location  36CH. 


PIXEL  SELECT  INPUT  Pi 


PIXEL  SELECT  OUTPUT  Po 


FROM  PIXEL 
PORT.  P 


r> 
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\J 

u 

u 

U 

— 

- 

TO  COLOR 
PALETTE  |256] 
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ADDRESS 
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READ 
MASK 
REGISTER 

N 

A 
T 
C 

H 

— V 

V 

COLOR  PALETTE 
RAM 

BIDIRECTIONAL  MPU  DATA  BUS 


D0---D7 

Figure  3.  Video  RAM-DAC  Pixel  &  Data  Ports  Showing 
the  Pixel  Read  Mask  Register 


RS2* 

RS1 

RSO 

Addressed  by  MPU 

0 

0 

0 

Address  Register  (RAM  Write  Mode) 

0 

1 

1 

Address  Register  (RAM  Read  Mode) 

0 

0 

1 

Color  Palette  RAM 

0 

1 

0 

Pixel  Read  Mask  Register 

«RS2  is  only  present  on  ADV478/ADV471 

Table  I.  Control  Input  Truth  Table  for  Video  RAM-DAC 

Figure  4  shows  the  internal  architecture  of  the  pixel 
input  port.  The  input  word  Pi,  which  corresponds  to  an 
on-screen  pixel  location,  is  ANDed  with  the  contents  of 
the  Pixel  Read  Mask  Register,  Pm. 


t 


Figure  4.  Internal  Architecture  of  Pixel  Input  Port 

The  resulting  output  word,  Po,  determines  which  loca- 
tion in  the  color  palette  will  be  assigned  to  a  particular 
on-screen  pixel.  Figure  5  shows  the  logical  diagram  for 
this  masking  operation. 


Pi- 
Pm 


Po 


Figure  5.  Equivalent  Logical  Representation  of  Masking 
Operation 


Po  =  Pi  ■  Pm 
If  Pm  =  1,  transparent  mode,  then 
Po  =  Pi 


(1) 
(2) 


The  pixel  stream  of  data,  Po,  which  arrives  at  the  color 
palette  is  a  function  of  both  the  pixel  input  stream.  Pi, 
from  the  Frame  Buffer  and  the  contents  of  the  Pixel  Read 
Mask  Register,  Pm.  In  the  case  of  an  animation  applica- 
tion, which  will  be  discussed  later  in  this  application 
note,  the  rate  at  which  the  pixel  mask  word  is  changed 
will  determine  the  motion  speed  of  the  scene. 

This  pixel  masking  operation  can  be  used  to  alter  the 
displayed  colors  without  changing  the  contents  of  either 
the  video  Frame  Buffer  or  the  Color  Palette  RAM.  One 
interpretation  of  this  operation  is  to  consider  the  pixel 
input  structure  of  the  video  RAM-DAC  as  an  on  board 
Pixel  Processing  Unit. 

PIXEL  PROCESSING  UNIT 

The  Pixel  Input  Port  (Pi),  Pixel  Read  Mask  Register  (Pm) 
and  Data  Input  Port  (MPU)  within  the  video  RAM-DAC, 
are  the  hardware  components  of  this  Pixel  Processing 
Unit  (PPU).  An  associated  software  routine  to  control  the 
operation  is  the  final  element  in  the  complete  PPU  sys- 
tem. This  interpretation  enables  the  color  palette  to  be 
configured  as  a  multidimensional,  paged  memory 
address  space,  see  Figure  6. 
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In  the  case  of  the  ADV471  and  ADV476  the  color  palette 
can  be  perceived  as  being  broken  into  an  even  number 
of  18-bit  color  planes  instead  of  just  one  18-bit  deep 
color  plane.  (In  the  case  of  the  ADV478,  each  plane  is  24 
bits  deep.) 

The  palette  can  therefore  be  partitioned  to  produce  up  to 
a  total  of  256  discrete  contiguous  color  memory  planes, 
some  of  which  are  shown  in  Figure  6.  A  tradeoff,  how- 
ever, must  be  considered  when  dividing  the  color  palette 
into  multiple  color  planes.  The  number  of  simulta- 
neously displayable  screen  colors  is  inversely  propor- 
tional to  the  number  of  color  planes  within  the  color 
palette.  Table  II  illustrates  this  relationship.  This  contig- 
uous configuration  is  not,  however,  the  sole  way  of  seg- 
menting the  memory  within  the  palette.  Other  non- 
contiguous configurations  including  interleaving  can  be 
implemented.  The  choice  of  memory  configuration  will 
be  determined  by  the  particular  application  so  as  to 
make  most  efficient  use  of  the  available  video  memory 
(Image  Frame  Buffer  and  Color  Palette  RAM). 


Number 

Number  of  Simultaneously 

of  Color  Planes 

Displayable  Colors 

1 

256 

2 

128 

4 

64 

. 

256 

To  operate  the  PPU,  two  principal  steps  must  be  taken: 

1.  Load  the  image  data  in  the  correct  paged  configura- 
tion to  both  the  frame  buffer  and  color  look-up  table, 
e.g.,  four  frame  composite  images  to  the  frame  buffer 
corresponding  to  four  discrete  planes  of  color  to  the 
palette  RAM. 

2.  Generate  the  corresponding  pixel  mask  words.  These 
words  are  individually  written  to  the  Pixel  Read  Mask 
Register,  Pm  (at  VGA  memory  location  36CH)  and 
select  which  of  the  color  planes  is  to  be  assigned  to 
the  incoming  pixel  data  stream.  In  the  case  where 
four  planes  are  implemented  (see  Figure  6),  four  pixel 
mask  words  are  required. 

The  overall  VGA  System  Block  Diagram  showing  the 
PPU  and  an  associated  8-page  memory  configuration  of 
the  color  palette  is  shown  in  Figure  7. 


Table  II.  Simultaneously  Displayable  Screen  Colors  ver- 
sus Number  of  Color  Planes 


■ 


PIXEL  READ  MASK  REGISTER  CONTENTS  (Pm) 


256  x  24  118) 
COLOR  PALETTE  RAM 


Pm  =  FFH  |1|1|1|1|1|1|1|1| 


TRANSPARENT  MODE 


1  PLANE  x  256  LOCATION  RAM 


■FFH|l|l|l|l)l|l|mi 
:7FH  |0HlhHl|lEj 

2  MEMORY  PLANES 


_  j  PLANE  1 
PLANE  0 

2  PLANE  X  128  LOCATION  RAM  


Pm  =  FFH 

Pm  =  BFH  |1|Q|1|1|1|1|1|l| 

pm  =  7fh  iom  1 1 1  n  i  fTTm 

Pm  =  3FH  lOlOl  1  |  1 1 1  1 1  |  1  |  1  | 
4  MEMORY  PLANES 


PLANE  1 
PLANE  0 
4  PLANE  X  64  LOCATION  RAM 


PLANE  3 
PLANE  2 


Figure  6.  Some  Color  Palette  RAM  Configurations  Showing 
Paged  Memory  Planes  and  Associated  Pixel  Read  Mask  Word  (Pm) 
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BIDIRECTIONAL  DATA/ADDRESS  BUS 


HOST  COMPUTER  INTERFACE 


Figure  7.  VGA  System  Block  Diagram  Showing  Color  Palette  Broken  into  a 
Number  of  Color  Planes 


ANIMATION 

Real  time  animation  using  the  Pixel  Processing  Unit  is 
based  on  the  principle  that  rapidly  changing  the  colors 
of  a  stationary  object  gives  the  illusion  of  motion.  In 
other  words,  a  number  of  similar  images  or  frames, 
differing  only  by  the  relative  position  of  the  various  col- 
ors, displayed  in  quick  succession,  can  result  in  motion. 

A  simple  example  to  explain  the  idea  of  animation  is 
illustrated  opposite.  The  animated  image  consists  of 
three  frames;  each  of  the  three  frames  is  initially  drawn 
as  one  composite  picture  (Frame  Buffer  image).  The 
color  palette  contains  three  discrete,  memory  blocks  or 
planes  of  color  information,  corresponding  to  three 
stages  of  animation.  The  animation  effect  in  this  exam- 
ple is  "arm  waving"  of  the  cartoon  character.  By  assign- 
ing the  color  planes  one  by  one  to  the  image  in  the 
Frame  Buffer,  the  effect  of  animation  can  be  perceived 
on  the  screen.  The  color  plane  assigned  to  the  compos- 
ite image  is  determined  by  the  PPU  which  is  controlled 
by  the  word  in  the  Pixel  Read  Mask  Register.  Frame  1  is 
assigned  Color  Plane  0,  this  colors  the  down  arm  posi- 
tion in  black,  while  the  up  and  horizontal  arm  positions 
take  on  the  background  color.  Frame  number  2  is 
assigned  Color  Plane  1,  this  colors  the  horizontal  arm 
position  in  black  while  the  other  two  arm  positions  are 
assigned  the  back  ground  color. 



COLOR  PALETTE 


Finally,  Frame  3  takes  on  Color  Plane  2.  This  process  is 
then  repeated  giving  the  illusion  of  motion.  The  rate  at 
which  each  frame  is  selected  determines  the  rapidity  of 
the  arm  waving. 
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ANIMATION  USING  THE  PPU 

This  section  describes  a  particular  animation  example. 
The  scene  used  in  this  example  consists  of  traveling 
space  ships  and  rotating  planets.  The  program  which 
draws  the  scene  and  implements  the  animation  is 
described  in  the  flow  diagram  of  Figure  8.  The  associ- 
ated source  code,  written  in  Borland's  Turbo-C,  is  given 
in  the  Appendix.  This  application  implements  8-stage 
animation. 


START 


/ 


INITIALIZATION 
SECTION 


DRAW  COMPOSITE 
IMAGE  TO  FRAME 
BUFFER 


\ 


WRITE  COLOR  DATA 
TO  EACH  PLANE  OF 
COLOR  PALETTE 


ANIMATION 
SECTION 


SINGLE  COLOR  PLANE  FROM 
COLOR  PALETTE  ASSIGNED  TO 
PICTURE  FRAME 


(•  "v 
IMAGE  DISPLAYED  ON  A 
SCREEN  J 


PRESS  SPACEBAR 


WRITE  TO  PIXEL  READ 
MASK  REGISTER 


(  INCREMENTS  TO  NEXT  COLOrN 
V      PLANE  IN  COLOR  PALETTE  ) 


(^END^) 


Figure  8.  Flow  Diagram  Representation  of  Animation 
Using  the  PPU 


The  complete  image  is  drawn  to  the  Frame  Buffer.  This 
composite  picture  contains  eight  frames  of  information. 
The  corresponding  color  planes  for  each  of  the  eight 
frames  in  this  composite  image,  are  drawn  to  the  color 
palette.  The  color  information  is  arranged  in  a  paged 
memory  format  corresponding  to  that  shown  in 
Figure  7.  Each  of  these  eight  color  planes  has  similar 
color  data;  they  differ  from  each  other  only  in  terms  of 
the  relevant  position  of  the  particular  colors.  For  exam- 
ple. Plane  0  could  have  blue  in  its  first  location  and  color 
yellow  in  its  second  location,  while  Plane  1  could  have 
the  opposite,  yellow  in  Location  1  and  blue  in  Location  2. 
During  the  display  period,  the  color  palette  will  only 
allocate  colors  to  one  of  the  eight  frames  (i.e.,  one  color 
plane)  at  a  particular  instant.  Each  plane  of  color  infor- 
mation is  mapped  to  a  particular  frame  within  the  Frame 
Buffer.  The  user-defined  value  of  the  Pixel  Read  Mask 
Register  determines  which  of  the  color  planes  within  the 
palette  will  be  chosen  for  display  at  any  particular 
instant.  The  hex  codes,  written  to  the  Pixel  Read  Mask 
Register  Pm,  which  correspond  to  each  of  the  color 
planes  (Plane  0  to  Plane  7)  are  listed  in  Table  III. 


3C6F 

:  Address  of  Pixel  Read  Mask  Register  (Pm) 

8FH 

Pm 

:  Plane  0  Selected 

Pm 

1000  1111 

9FH 

Pm 

:  Plane  1  Selected 

Pm 

1001  1111 

AFH 

Pm 

:  Plane  2  Selected 

Pm 

1010  1111 

BFH 

— > 

Pm 

:  Plane  3  Selected 

Pm 

1011  1111 

CFH 

Pm 

:  Plane  4  Selected 

Pm 

1100  1111 

DFH 

— > 

Pm 

:  Plane  5  Selected 

Pm 

1101  1111 

EFH 

— > 

Pm 

:  Plane  6  Selected 

Pm 

1110  1111 

FFH 

— » 

Pm 

:  Plane  7  Selected 

Pm 

1111  1111 

Table  III.  Value  Written  to  Pixel  Read  Mask  Register  and 
or  Plane 


Pressing  the  "Spacebar"  increments  the  pixel  read  mask 
register  corresponding  to  a  jump  of  16  locations  in  the 
color  palette.  As  there  are  16  colors  in  each  color  plane, 
a  jump  of  16  locations  will  select  the  corresponding 
color  in  the  next  highest  plane.  Continuously  pressing 
the  "Spacebar"  cycles  the  incoming  pixel  stream  of  data 
through  each  of  the  eight  color  planes  within  the  palette. 
This  results  in  the  apparent  motion  or  animation  of  the 
image. 
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APPENDIX 

C  Program  for  ANIMATION  EXAMPLE 

Pixel  Processing  Using  Video  RAM-DACs 
"Rotating  Planets  &  Spaceships" 


#include  <stdlib.h>     /*  Turbo  C  include  files  */ 

#include  <math.h>         /*  these  are  available  under  most  versions  */ 
#include  <dos.h>  /*  of  C  for  the  IBM  &  compatibles  */ 

#include  <graphics.h> 

void  palette (int  col,int  red,int  green, int  blue); 

void  plotl3(int  x,int  y,int  col);  /*  function  definitions  */ 

void  model 3 ( ) ; 

void  circlel3(int  x,int  y,int  r, double  tilt); 
void  planets ( ) ; 
void  stars ( )  ; 

void  linel3(int  xl,int  yl , int  x2,int  y2,int  col); 
void  triangle ( ) ; 

main(  ) 
< 

int  gd=0,gm=0,opt; 
union  REGS  reg; 
detectgraph(&gd,&gm) ; 
if  (gd  1=  9)< 

printf("This  program  cannot  find  a  VGA  card  installed  in  this  computer .  \n" ) ; 
printf("A  VGA  card  is  necessary  to  run  the  tests."); 
exit(l);  > 


/*  check  for  a  VGA  card  */ 


planets ( ) ; 
reg. h. ah  =  0x00; 
reg.h.al  =  0x03; 
int86(0xl0,Sreg,&reg) ; 


/*  do 


*/ 


/*  return  to  text  mode  when  finished  */ 


} 


/*  set  up  mode  hex  13  =  decimal  19  */ 
/*  this  is  a  256  color  mode  with  */ 
/*  320  x  200  pixel  resolution  */ 


/*  set  mode  0x13  */ 


void  model 3 ( ) 
{ 

union  REGS  reg; 
reg. x. ax  =  0x0013; 
int86(0xl0,&reg,&reg) ; 

void  palette  (int  col,  int  red,  int  green,  int  blue) 

/*  assigns  a  physical  color  to  a  logical  color  */ 

{ 


} 


union  REGS  reg; 

reg. x. ax  =  0x1010; 
reg.x.bx  =  col; 
reg.h.dh  =  red; 
reg.h.ch  =  green; 
reg.h.cl  =  blue; 
int86(0xl0,&reg,sreg); 


/*  call  bios  routine  to  change  palette  */ 
/*  special  plot  routine  for  mode  0x13  */ 


void  plotl3(int  x,int  y,int  col) 
( 

union  REGS  reg; 

if(x>=0  &&  y>=0  &&  x  <320  &&  y<200){ 

reg.x.dx  =  y;  /*  set  up  registers 

reg  .  x  .  cx  -  x ; 
reg. h. ah  =  0x0c; 
reg.h.al  =  col; 
int86(0xl0,Sreg,&reg) ;  /*  call  bios  plot  routine  */ 

}  > 

void  circlel3(int  x,int  y,int  r, double  tilt) 

(  /*  routine  draws  a  single  planet  */ 
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int  la,yy; 

double  ang , oldx , oldy , newx ,newy , sintl , costl , rcos , rsin 
for(la  =  -r;  la  <  r;  la++) 

{ 

yy  =  sqrt(r*r  -  la*la)  +  1; 
linel3 (la+x,y-yy, la+x,y+yy, 14 ) 


} 


/*  routine  uses  a  fairly  simple  */ 
/*  algorithm  to  draw  a  solid  circle  */ 


/*  set  up  some  variables  */ 


/*  To  draw  lines  of  longitude:  */ 
/*  draw  portions  of  ellipses  */ 
/*  and  rotate  them  by  tilt  radians 


costl  =  cos (tilt); 
sintl  =  sin(tilt); 
w  =  240* 

fir  (la  i'rj  la  >=  -r;  la-=r/15) 
< 

oldx  =  x-r*slntl; 
oldy  =  y+r*costl; 

for(ang  =  -1.57;ang  <1 . 57 ;ang+= . 195 )  { 
newx  =  x+la*cos(ang)*costl+r*sin(ang)*sintl* 
newy  »  y-r*sin(ang)*costl+la*cos(ang)*sintl; 

linel3(newx, newy, oldx, oldy, yy) ;  /*  line  segment  of  ellipse  */ 
oldx  =  newx;  /*  store  endpoints  */ 

oldy  =  newy;  } 
yy  =   <yy==247  )   ?  240   i  ++yy ;  /*  incrememt  color  used  */ 


/*  draw  lines  of  latitude  */ 
I*  ie  sloped  lines  V 


I 

for(ang=-l .57 ;ang<l . 57 ;ang+=. 39 ) 
{ 

rcos  =  r*cos(ang); 
rsin  =  r*sin(ang); 

linel3 {x+rcos*costl-rsin*sintl,y+rsin*costl+rcos*sintl 

, x-rcos*costl -rsin*s int l,y+rsin*costl -rcos* sintl, 15 ) ; 

void  planets ()  /*  routine  to  draw  and  animate  the  planets  */ 

Kta'toft  «U  sue  Birrmr  aool  *\  «f£  -  *bI  ;  C*  --tit ;  t         )  »3 

int  la, lb; 

model 3 ( ) ; 

palette( 7 , 255 , 255 , 255 ) ; 

printf("  Pixel  Read  Mask  Demo\n"); 

printf ( "  ==========================\n»  j . 

printf("     This  program  contains  an  animated  picture  scene  which  "); 

printf ("is  initially  drawn    on  the  screen  and  then  ANIMATED  "); 
printf ( "using       the  Pixel  Read  Mask  Register . \n" ) ; 

printf ("\n     Press  the  spacebar  to  draw  scene  and    hold  it  down  " ) ; 
printf { "when  scene  is  ready  for        animation.  When  finished,   " ) ; 

nr  i  nff  /  "rirooe     amr  rtf  nov  Iran 


printf ( "press  any 
while ( getch ( )    1=  ' 


other  key. 


mode 1 3 ( ) ; 

for  (la=8;la<16;la++) 
< 

for  (lb=0;lb<8;lb++) 
palette  (la*16+lb,  0,10,  63); 
for  (lb=8;lb<16;lb++) 
palette ( la*16+lb, 0 ,0,0); 

> 

for  (la=128;la<256;la+=17) 
palette (la, 6 3, 6 3, 63) , 
palettejla+8,63,63,0); 

palette (15, 255, 255, 255) ; 
palette (7, 20, 255,0 ), • 
palette(14,0,10,63); 

stars ( ) ; 

circlel3(30,30,30,0.9); 
circlel3(280,35,35,4.0); 
circlel  3  (  130,  100,70,-0.  8); 


••"); 

/*  wait  for  keypress  */ 

/*  set  up  the  palette  for  animation  */ 

/*  set  planet  lines  to  blue  */ 
/*  stars  are  initially  black  */ 


/*  define  one  line  on  planet  to  white  */ 

/*  and  one  star  to  yellow,  per  frame  */ 

/*  set  color  15  to  pure  white  */ 

/*  color  7  to  green  */ 

/*  color  14  used  for  planet  background  */ 

/*  draw  stars  in  background  */ 

/*  draw  the  actual  planets  */ 
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circlel3(40,240 , 125,0.5) ; 
triangle) ) ; 

gotoxy (30,21);printf(" Space  to "  ) 
gotoxy ( 30, 22 ) ;print£ ( "animate. ") ;     /*  on  screen  instructions  */ 
gotoxy | [30,  24  )  ;print£(  "Other  key" ) ; 
gotoxy ( 30, 25) ;printf( "to  stop. " ) 

la=143; 

do 

outportb(0x3c6,la) , 
la  -  (la<255)   7  la+16   :  143; 


/*  draw  the  spaceship  thingy  */ 


/*  143  =  %10001111  */ 


while((lb  =  getch())  ==  '  '); 


/*  this  part  does  the  actual  animation  */ 
/*  loop  through  the  palette  */ 
/*  while  the  spacebar  is  being  pressed  */ 


void  stars ( ) 


/*  routine  to  plot  in  the  stars  */ 


248: 


/*  set  up  random  background  */ 


int  la,  lb,  lc ,  Id,  le,  col 
long  q; 

srand(time(&q)   %  37); 
for  (la=0;la<200;la+=5)  { 

lc  =  (rand( ) s 0x7) -0x4; 

Id  =  la; 

le  =  (rand( )S7)+3; 

for  (lb=l;lb<320;lb+=le,ld=la+lc*lb/64) 

plotl3(lb,ld,col) ,  /*  plot  the  star  */ 

col  -   (col  ==  255)   ?  248   :  ++col; 

>> 

void  linel3(int  xl,int  yl,int  x2,int  y2,int  col) 

{  /*  this  routine  draws  a  line  in  */ 

int  la,lb,lc;  /*  graphics  mode  13H  */ 

if  (abs(xl-x2)   >  abs(yl-y2))     {  /*  line  longer  in  x  or  y  direction  ?  */ 

lc  =   (x2-xl);lb  =   (x2  -  xl  >=0)   ?   1   :  -1; 

for  (la=xl;lal=x2;la+=lb)  if*  loop  works  out  the  points  on  »/ 

plotl3(la,yl+(la-xl)* (y2-yl )/lc,col) ;       /*  the  line  and  plots  them  */ 

} 

else  { 

lc  =  (y2-yl);lb  =  (y2  -  yl  >=0)  7  1   :  -1; 
for  (la=yl;lal=y2;la+=lb) 
plotl3(xl+(la-yl ) * (x2-xl ) /lc, la , col ) ; 
)} 


void  triangle ( ) 
{ 

int  la,lb=19,col=248; 
double  tilt=0.5236; 


/*  This  routine  draws  a  simple  spacecraft-type  */ 
/*  object  for  animation.  */ 
/*  starting  size  =  19,  color  =  248  */ 


/*  starting  tilt  */ 


for  (la=200;lb>0;la-=lb,lb--,tilt  +=  .3) 

{  /*  loop  to  draw  19  objects  */ 

linel3( 200+la/2+lb*cos( tilt ) , la+lb*sin ( tilt ) , 

200+la/2+lb*cos(tilt+2.0944 ) , la+lb*sin ( tilt+2 . 0944 ) ,col) ; 

linel3(200+la/2+lb*cos(tilt+2.  0944  )  ,  la+lb*sin(  tilt+2  .  0944  )  , 

200+la/2+lb*cos(tilt+4 . 1888) , la+lb*sin ( tilt+4 .1888) ,col ) ; 

linel3( 200+la/2+lb*cos ( tilt+4 . 1888) , la+lb*sin ( tilt+4 .1888) , 200+la/2 , la , col ) ; 

linel3(200+la/2,la,200+la/2+lb*cos(tilt ) , la+lb*sin( tilt ) ,col ) ; 

col  =  (col==255)  ?  248  :  ++col;  /*  col  =  col  +  1  until  col  =  255,  when  */ 
>}  /*  col  returns  to  zero  */ 
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Changing  Your  VGA  Design  from  a  171/176  to  an  ADV471 

by  Bill  Slattery 


An  ADV471  can  be  used  in  VGA*  type  graphic  systems 
to  replace  the  171  or  the  176.  If  the  designer  does  not 
want  to  use  the  additional  functions  of  the  ADV471,  it  is 
quite  simple  to  have  these  functions  disabled.  The  dia- 
grams below  illustrate  just  this.  Figure  1  shows  the  cir- 
cuit connection  diagram  for  a  171/176.  Figure  2  is  the 
connection  diagram  for  an  ADV471  in  an  application  that 
was  designed  around  a  171/176.  It  is  an  ADV471  func- 
tioning as  a  171/176. 

The  additional  pins  of  the  ADV471  inputs  (OL0-OL3)  are 
connected  as  shown  in  Figure  2.  The  overlay  inputs 
(OL0-OL3)  are  tied  to  ground  as  well  as  control  inputs 
(RS2,  SETUP  and  SYNC).  OPA  is  left  floating  while  the 


pin  VREF  is  connected  through  a  0.1  (iF  ceramic  capacitor 
to  VAA.  The  additional  VAA  pins  are  connected  to  the 
analog  power  supply  while  all  GND  pins  are  connected 
to  the  ground  plane.  Pins  1  and  2  (NC)  are  no  connects. 

All  other  external  components  and  connections  remain 
unchanged,  including  the  RGB  source  terminations.  If 
the  171/176  has  75fl  termination  resistors,  likewise  the 
ADV471  should  have  75fi  resistors.  If  the  171/176  uses 
150fi  termination  resistors  (as  is  the  case  in  the  IBM 
PS/2*),  the  ADV471  should  also  be  terminated  using 
150n  resistors. 

•IBM  PS/2  and  VGA  are  registered  trademarks  of  International 
Business  Machines  Corp. 
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Figure  1.  VGA  Connection  Diagram  for  171/176 
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Figure  2.  VGA  Connection  Diagram  with  the  ADV471 
Replacing  the  171/176 
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Improved  PCB  Layouts  for  Video  RAM-DACs  Can  Use  Either 
PLCC  or  DIP  Package  Types 

by  Bill  Slattery 


This  application  note  describes  printed  circuit  board  lay- 
out schemes  for  the  video  RAM-DAC  portion  of  a  VGA 
compatible  graphics  card.  The  layouts  allow  either  of 
two  package  types  to  be  accommodated  on  one  PCB.The 
user  has  the  option  of  choosing  either  the  28-pin  DIP 
171/176  video  DAC  or  the  superior  ADV471  which  comes 
in  a  small  44-pin  PLCC  package.  PCB  patterns  for  two 
different  types  of  layout  are  illustrated  in  this  application 
note.  The  difference  between  the  two  layouts  lies  in  the 
way  in  which  the  ADV471  PLCC  is  mounted  on  the 
board.  The  board  designer  has  the  option  of  either  sur- 
face mounting  or  socket  mounting  the  ADV471. 

PLCC  SURFACE  MOUNT 

Figure  1  illustrates  how  the  PLCC  can  be  directly  surface 
mounted  on  the  28-pin  DIP  footprint.  This  is  done  by 
choosing  a  pin  which  can  be  used  as  a  common  point  to 
both  the  DIP  and  PLCC  pinouts.  In  this  PCB  design,  Pin  1 
(No  Connect  "NC")  of  the  PLCC  and  Pin  24  (D7)  of  the 
DIP  are  the  chosen  coincident  pins.  The  choice  of  these 
two  pins  as  the  common  point  optimizes  board  space  as 
well  as  avoiding  any  manufacturing  or  solderability 


•2-O.lpiF  CERAMIC  CAPACITORS 

Figure  7.  X-Ray  View  of  Layout  Using  Surface  Mounted 
pirr 


problems.  This  is  ensured  by  selecting  Pin  1  of  the  PLCC 
as  the  common  pin.  Pin  1  of  the  ADV471  is  not  internally 
connected  within  the  package  thus  avoiding  the  need  for 
it  to  be  soldered  onto  the  circular  pad  corresponding  to 
Pin  24  of  the  DIP.  Figure  1  is  an  X-ray  view  of  the  pattern 
showing  both  the  component  and  solder  (dotted-line 
traces)  sides.  It  also  indicates  the  DIP  pin  functions  as 
well  as  some  of  the  PLCC  pin  numbers.  Figures  3  and  4 
show  the  actual  layout  patterns  for  both  the  component 
side  and  solder  side  of  the  PCB. 

PLCC  SOCKET  MOUNT 

The  designer  can  use  a  standard  socket  mount  configu- 
ration for  the  PLCC,  as  shown  in  Figure  2.  The  PLCC  is 
positioned  with  pin  "D2"  of  both  the  DIP  and  PLCC 
sockets  adjacent  to  each  other.  The  PLCC  socket  recom- 
mended for  use  with  this  layout  is  available  from  AMP, 
part  number  641747.  Figures  5  and  6  give  the  PCB  layout 
patterns  for  both  the  component  side  and  solder  side. 

Note:  PCB  layouts  on  page  2  of  this  application  note  are 
at  a  scale  of  2:1. 


RED  B  O  VCC=VAA 


Figure  2.  X-Ray  View  of  Layout  Using  Socket  Mounted 
PLCC 
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Figure  3.  PCB  Component  Side  Layout  Pattern  Using 
Surface  Mounted  PLCC 


O  O 

o  o 


o  o 


o 

o  o 
o 


Figure  4.  PCB  Solder  Side  Layout  Pattern  Using  Surface 
Mounted  PLCC 


Figure  5.  PCB  Component  Side  Layout  Pattern  Using 
Socket  Mounted  PLCC 

LAYOUT  CONSIDERATIONS 

For  optimum  performance,  the  majority  of  PCB  traces  on 
both  layouts  vary  between  12  and  15  mils,  except  in 
some  cases  where  ground  and  power  planes  vary  be- 
tween 20  and  25  mils.  The  circular  pads  used  are  42  mils 
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Figure  6.  PCB  Solder  Side  Layout  Pattern  Using  Socket 
Mounted  PLCC 

in  diameter  on  28  mil  diameter  plated-through  holes. 
Rectangular  55x36  mil  surface  mount  pads  are  used  for 
the  PLCC  surface  mount  option.  Spacing  between  traces 
and  pads  for  the  analog  circuitry  is  optimized  to  that 
required  for  a  75f!  transmission  line. 
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Design  and  Layout  of  a  Video  Graphics  System  for  Reduced  EMI 

by  Bill  Slattery  and  John  Wynne 


The  availability  of  low  cost,  high  performance  video 
RAM-DACs  is  a  key  element  in  the  spread  of  personal 
computers  into  application  areas  previously  considered 
the  preserve  of  expensive,  high-end  computer  systems. 
Applications  such  as  Computer  Aided  Engineering 
(CAE),  Computer  Aided  Design  (CAD),  Solids  Modelling, 
Desktop  Publishing,  etc.,  are  becoming  more  wide- 
spread as  the  cost  of  the  necessary  hardware  drops. 
Successfully  incorporating  a  video  RAM-DAC  into  a  per- 
sonal computer  or  onto  a  video  graphics  plug-in  board  is 
not  difficult  once  some  basic  concepts  are  grasped  and 
some  simple  guidelines  followed. 


This  application  note  is  intended  as  a  guide  to  the  design 
of  a  video  graphics  system  in  terms  of  Electromagnetic 
Compatibility  (EMC).  EMC  design  will  be  considered  as 
the  technique  of  reducing  radiated  emissions  and  Elec- 
tromagnetic Interference  (EMI)  from  a  high  speed  video 
graphics  system.  EMC  implies  that  the  system  should 
not  electrically  or  magnetically  interfere  with  its  sur- 
roundings, and  conversely,  the  surroundings  should  not 
interfere  with  the  operation  of  the  system.  In  order  to 
provide  control  of  EMI  in  the  radio  spectrum,  govern- 
ment agencies  and  other  international  organizations 
have  established  limits  relating  to  EMI,  most  notably,  the 
U.S.  government's  FCC  Part  15. 
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OVERVIEW 

This  application  note  is  divided  into  a  number  of  sec- 
tions as  outlined  below: 

1.  International  EMI  Regulatory  Bodies  -  guidelines, 
testing  and  radiation  limits. 

2.  System  Noise  Identification  -  identifying  various 
sources  of  noise  in  a  system. 

3.  PCB  Layout  &  Design  -  component  placement,  multi- 
layer boards,  grounding,  shielding  and  filtering 
components 

4.  Practical  example  of  a  VGA  board  design  and  associ- 
ated FCC  Testing. 

REGULATIONS  CONTROLLING  EMI 

The  ultimate  goal  which  must  be  achieved  if  EMC  design 
is  to  be  considered  successful  is  the  attainment  of 
"Agency  Certification."  A  number  of  international  gov- 
ernment agencies  impose  strict  criteria  on  the  allowable 
electromagnetic  interference  that  electronic  apparatus 
can  emit.  Electronic  apparatus  is  required  by  law  to  con- 
form to  these  agency  limits,  or  else  face  severe  govern- 
ment penalties. 

In  the  United  States,  the  Federal  Communications  Com- 
mission (FCC)  is  the  national  regulatory  body  which  sets 
down  strict  controls  on  interference  from  computing 
devices.  The  FCC  has  divided  computer  interference  into 
two  principal  types.  The  first  type,  and  by  far  the  most 
demanding  of  the  two,  deals  with  radiated  emissions 
over  the  frequency  range  of  30  MHz  to  1  GHz.  Radiated 
emissions  from  personal  computers,  in  a  commercial 
environment,  must  conform  to  the  limits  set  out  for  a 
Class  B  computing  device  pursuant  to  Subpart  J  of  Part 
15  of  the  FCC  Rules.  Table  I  lists  the  maximum  permis- 
sible radiation  from  such  devices,  measured  in  terms  of 
Electric  Field  Strength. 


test  results  as  well  as  a  detailed  description  of  the  test 
and  measurement  procedure.  Testing  has  to  be  carried 
out  by  an  FCC-accredited  test  laboratory. 

Class  C  Certification,  which  has  less  stringent  limits, 
is  allowable  in  certain  commercial  and  industrial 
applications. 

A  list  of  the  various  international  agencies  is  given  in  the 
Reference  section.  All  agencies  have  very  similar 
requirements  to  those  of  the  FCC. 

NOISE  SOURCES 

Identification  of  noise  sources  or  potential  noise  sources 
in  a  system  is  the  first  and  probably  the  most  valuable 
step  that  has  to  be  taken  for  successful  EMI  design. 


Frequency 

Distance 

Field  Strength* 

MHz 

Meters 

jiV/Meter 

30-88 

3 

100 

88-216 

3 

150 

216-1000 

3 

200 

Table  I.  Radiation  Limits  for  Class  B  Computing  Devices 
According  to  FCC  Rules 


The  second  type  of  emission  deals  with  interference  fed 
back  onto  the  power  lines.  The  FCC  conduction  limit 
on  this  interference  is  250  u.V*  maximum  over  the 
frequency  range  450  kHz  to  30  MHz.  This  type  of  interfer- 
ence is  heavily  influenced  by  the  design  of  the  switched- 
mode  power  supply  within  the  computer  cabinet. 

FCC  Certification  is  awarded  on  the  submission  to  the 
FCC  of  a  complete  report  which  consists  of  acceptable 
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Figure  1.  Noise  Model  of  a  Video  Graphics  System 


It  may  even  be  possible  to  eliminate  a  particular  noisy 
circuit  completely  from  the  design  thus  avoiding  the 
later  need  for  filtering.  Unfortunately,  many  possible 
sources  of  noise  cannot  be  eliminated  from  the  design, 
but  by  being  aware  of  their  existence,  their  effects  can 
be  minimized  at  the  source  and  in  the  coupling  channel 
by  optimum  filtering  and  decoupling.  Some  of  the  inher- 
ent sources  of  noise  in  a  video  graphics  system  include: 

1.  Crystal    oscillator   and    clock   frequency  division 
circuits. 

2.  Circuits  with  fast  transition  times  (rise/fall  times),  e.g., 
logic  families  that  are  unnecessarily  fast. 

3.  Unterminated  circuits. 

4.  Stray  inductances/capacitances. 

5.  Switching  power  supplies. 

6.  High  power  analog  circuits  such  as  video  RAM-DACs. 

Crystal  Oscillators  &  Associated  Circuitry 

A  video  system  usually  contains  a  number  of  crystal 
oscillators  and  associated  clock  and  pixel  data  circuits, 
which  are  required  to  achieve  various  on-screen  pixel 
resolutions.  In  a  VGA  system,  for  example,  there  could 
be  as  many  as  five  crystal  oscillators  varying  in  fre- 
quency from  25  MHz  to  65  MHz,  and  maybe  up  to 
80  MHz.  These  crystal  oscillators  and  their  associated 
circuitry  tend  to  be  rich  in  unwanted  noise  and  harmonic 
components.  They  can  be  a  prime  source  in  the  genera- 
tion of  EMI  if  some  basic  guidelines  are  not  followed. 


to  §15.840  of  the  FCC  Rules. 
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Some  of  the  important  actions  are: 

1.  Place  crystal  oscillator  circuits  as  far  as  possible  from 
analog  circuitry  and  video  output  connectors. 

2.  Isolate  power  supply  to  crystals  through  the  use  of 
ferrite  beads. 

3.  Avoid  the  mixing  of  clock  buffers  and  other  logic  in 
the  same  IC  package. 

4.  Use  several  low  power  data  drivers  or  buffers  for 
clock  and  pixel  data  lines  distributed  throughout  the 
board,  in  preference  to  using  a  single  high  power 
driver. 

With  regard  to  the  crystal  oscillators  themselves,  the 
critical  aspects  which  must  be  considered  include  the 
wave  shape  and  the  transition  time  (rise/fall  time).  Fig- 
ure 2  is  a  plot  of  the  output  frequency  spectrum  of  a 
typical  28.5  MHz  crystal  oscillator.  It  shows  the  ampli- 
tude of  the  harmonic  components  relative  to  the  funda- 
mental. It  can  be  clearly  seen  that  although  the  crystal's 
fundamental  frequency  lies  outside  the  FCC's  lower  limit 
of  30  MHz,  for  radiated  EMI,  higher-order  harmonic  com- 
ponents exist  throughout  the  FCC-controlled  band.  The 
frequency  of  the  crystal  oscillators  should  be  kept  to  the 
required  minimum,  and  transition  times  should  be  kept 
as  slow  as  possible.  This  reduces  the  amplitude  of 
unwanted  harmonics,  while  still  satisfying  system  func- 
tional performance  needs. 

The  clock  circuitry,  which  includes  crystal  oscillators 
and  pixel  data  lines,  is  the  primary  source  of  most  of  a 
system's  noise.  Keeping  this  circuitry  as  far  and  as 
isolated  as  possible  from  other  circuitry,  especially 
analog  circuitry,  is  all-important.  On  the  other  hand,  it 
could  be  argued  that  by  running  long  pixel  data  and 
clock  lines  from  such  circuitry  to  the  Video  RAM-DAC  in 
itself  is  not  desirable.  Long  lines  increase  noise  coupling 
to  other  parts  of  the  system.  A  tradeoff  between  length 
of  pixel  lines  and  the  placement  of  high  speed  clock 
circuitry  must  be  considered.  The  designer  must  attempt 
to  optimize  these  two  competing  goals.  As  was  men- 
tioned earlier,  the  use  of  multiple  low  power  buffers  will 
help  to  ease  such  a  conflict.  A  distance  of  less  that 
three  inches  between  buffers  would  be  desirable  in  such 
circumstances. 
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Figure  2.  Magnitude  of  Harmonic  Components  Relative 
to  the  Fundamental  for  a  28.5  MHz  Crystal  Oscillator 


Other  Noise  Sources 

A  number  of  other  noise  generators  can  be  easily  iden- 
tified. Circuits  with  fast  transition  times  including  mem- 
ory chips,  logic  circuitry  and  the  graphics  controller  all 
contribute  to  the  overall  noise  of  the  system.  The  faster 
the  signal  transition  time,  the  greater  will  be  the  ampli- 
tude of  the  resulting  harmonics,  as  was  seen  in  the 
previous  section  relating  to  crystal  oscillator  circuits. 

As  a  general  rule,  devices  with  the  slowest  possible 
rise/fall  times  that  will  achieve  the  system's  tasks  should 
be  used.  Table  II  lists  some  typical  rise/fall  times  for 
various  logic  families. 


Technology 

IC  Family 

Transition  Time 

TTL 

74 

10  ns 

74LS 

12  ns 

74ALS 

3->20  ns 

74S 

6  ns 

74AS 

2^9  ns 

74F 

1.2^8  ns 

CMOS 

74HC 

20^150  ns 

8 


Table  II.  Comparison  of  Transition  Times  for  IC  Logic 
Families 

Stray  inductances  and  capacitances  can  cause  signals  to 
ring,  to  overshoot  or  undershoot  the  steady  state  volt- 
age levels.  This  ringing  is  a  source  of  EMI  which  can  be 
minimized  by  keeping  wires  or  traces  short  and  adding 
series,  damping  resistances  at  the  source  or  termination 
of  long  signal  paths. 

Unterminated  circuits  with  floating  signal  lines  should 
be  avoided.  Unwanted  oscillations  can  result. 

Power  to  all  devices  of  a  system  is  usually  derived  from 
switch-mode  power  supplies.  While  the  design  of  the 
power  supply  is  critical  to  the  reduction  of  conducted 
noise  in  the  FCC's  band  of  450  kHz  up  to  30  MHz,  har- 
monics generated  by  the  switching  power  supplies  can 
extend  well  into  the  radiation  frequency  band  and  thus 
add  to  EMI. 

Modern  high  resolution  color  graphics  monitors  are 
driven  by  analog  signal  levels  direct  from  the  DACs.  The 
relatively  high  power,  analog  output  levels  from  the  Red, 
Green  and  Blue  current  sources  of  the  video  DAC  require 
careful  attention.  As  will  be  discussed  in  the  PCB  layout 
section,  the  power  to  the  Video  RAM-DAC  should  be 
isolated  from  the  remainder  of  the  PCB  power  plane.  If 
noise  on  the  high  speed  pixel  and  clock  input  section  to 
the  Video  RAM-DAC  has  not  been  minimized,  noise  will 
be  coupled  through  to  the  analog  output  section  and 
onto  the  connecting  cable  to  the  monitor,  causing  this 
cable  to  act  as  an  antenna.  Filtering  at  the  source  termi- 
nation of  each  of  the  three  DAC  outputs  can  be  used  if 
required  to  minimize  the  noise  further.  (See  Appendix  1 , 
Three-Terminal  Capacitor.) 
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PRINTED  CIRCUIT  BOARD  DESIGN 

The  extent  of  radiated  emissions  from  a  printed  circuit 
board  (PCB),  will  be  determined  by  the  effectiveness  of 
the  PCB  to  act  as  a  propagation  channel  for  unavoidable 
noise  sources,  its  ability  to  couple  this  noise  onto  other 
circuitry,  and  the  radiation  into  free  space  of  this  undes- 
ired  noise.  Apart  altogether  from  a  PCB's  ability  to  radi- 
ate EMI,  noise  coupled  from  digital  circuits  on  the  board 
to  the  video  RAM-DAC  can  adversely  affect  the  system's 
functional  performance. 

Causes  of  EMI 

The  main  sources  which  conduct  or  radiate  EMI  from  a 
printed  circuit  board  are  as  follows: 

1. 


Com 
traces. 


mon  impedance  coupling  via  power  and  ground 


2.  Antenna  loops  formed  by  ICs  and  their  bypass  capac- 
itors. Note  that  these  loops  also  include  the  power 
and  ground  lead  frame  members  within  the  IC 
packages. 

3.  Printed  circuit  board  traces  carrying  signal  currents. 
Note  again  that  signal  lead  frame  members  within  the 
IC  packages  are  also  included. 

4.  Crosstalk  between  adjoining  signal  traces. 
Common  Impedance  Coupling 

An  example  of  common  impedance  coupling  via  power 
and  ground  traces  is  shown  in  Figure  3a  where  a  num- 
ber of  logic  gates  are  supplied  with  power  over  common 
printed  circuit  board  traces.  A  typical  V,N  input  signal  to 
one  of  these  gates  is  shown  in  Figure  3b  with  the  result- 
ing transient  and  signal  currents  due  to  the  gate  switch- 
ing also  shown. 
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Figure  3a.  Common  Impedance  Coupling  via  Power  and 
Ground  Traces 
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Figure  3b.  Signal  and  Transient  Currents  Due  to  Gate 

O      f  t! 

Switching 


The  distributed  trace  inductances  act  as  impedances  to 
these  switching  currents  spreading  the  resulting  high 
frequency  noise  to  all  nodes  common  to  the  culprit.  To 
get  an  idea  of  the  magnitude  of  the  generated  high 
frequency  noise,  let's  take  a  look  at  the  effect  of  a  single 
gate,  as  shown  in  Figure  4a.  The  associated  worst  signal 
current  for  a  standard  TTL  gate  is  shown  in  Figure  4b. 
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Figure  4a.  Common  impedance  Coupling  Due  to  One 
Gate 
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Figure  4b.  Signal  Current  Due  to  TTL  Gate  Switching 

Consider  the  harmonic  components  present  in  the 
switching  signal  current  of  Figure  4b.  This  assumes  the 
gate  is  driving  10  standard  TTL  loads  with  a  maximum 
sink  current  of  16  mA  and  a  maximum  source  current  of 
0.4  mA. 

With  a  mark/space  ratio  of  t/T  and  using  a  Fourier  Series 
expansion,  the  formula  for  the  amplitude  of  the  nth  har- 


c  is  given  by 


1  ^1 
T 


Sin  ^ 


KTTT 

T 


«-rr-r 


where  n  =  1,  2,  3  .  .  .  . 

For  a  square  wave  t/T  =  0.5,  the  amplitude  of  the  third 
harmonic  (n=3)  is 

l3=  3.4  mA,  zero  to  peak. 

At  28.5  MHz,  a  standard  VGA  pixel  clock  frequency,  the 
magnitude  of  the  impedance  of  the  ground  trace  in  Fig- 
ure 4a  is  given  by 

Z  H  Ptt/L] 


where  f  =  28.5  MHz 

L  =  20  nH/inch  (typically) 

hence  Z  =  3.58  a/inch. 

At  85.5  MHz  (3x28.5  MHz)  the  impedance  is  10.74 
fl/inch.  Thus  the  high  frequency  voltage  at  the  logic 
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ground  node  of  the  switching  gate  due  to  the  third  har- 
monic alone  is  equal  to 

VGl  =  (3.4  x  10-3)(4)(10.74)  V 

=  146  mVpeak  at  85.5  MHz. 

This  high  frequency  component  and  other  similar  com- 
ponents will  be  circulated  around  the  printed  circuit 
board  via  the  common  ground  traces.  It  will  also  appear 
on  any  cable  shielding  attached  to  this  common  ground 
trace  and,  depending  on  how  efficient  the  cable  shield  is 
as  an  antenna,  will  be  radiated  into  free  space. 

Antenna  Loops 

One  of  the  most  important  principles  of  PCB  layout  and 
design  for  noise  reduction  can  be  described  by  the 
phrase: 

"Minimize  Signal  Loop  Areas." 

In  most  circuit  designs,  we  tend  to  think  of  the  currents 
we're  interested  in  as  flowing  "out"  of  one  place, 
"through"  some  other  place  and  "to"  the  target  point. 
Unfortunately  however,  this  often  leads  us  to  neglect  to 
consider  how  these  currents  will  eventually  find  their 
way  back  to  their  source.  Ground  and  supply  voltage 
points  are  considered  "equivalent,"  and  the  fact  that 
they  are  parts  of  a  network  of  conductors  through  which 
currents  flow  and  develop  finite  voltages  is  often  not 
appreciated.  These  voltages  can  radiate  to  cause  EMI, 
see  Figure  5. 


Figure  5.  Currents  Flowing  in  Large  Loops  Add  to  EMI 

Voltages  are  generated  because  wires  and  traces 
do  not  have  zero  impedance  due  mainly  to  inherent 
inductances. 

Many  of  the  problems  associated  with  power  and 
ground  loops  can  be  avoided  through  the  deployment  of 
effective  bypassing  techniques. 

The  aim  of  effective  bypassing  is  to  maximize  the  charge 
stored  in  the  bypass  loop  while  simultaneously  minimiz- 
ing the  inductance  of  this  loop.  Inductance  in  the  loop 


acts  as  an  impedance  to  high  frequency  transients  and 
results  in  power  supply  spiking.  Figure  6a  shows  a  poor 
bypass  arrangement  and  the  associated  inductances  due 
to  the  large  loop  area  are  illustrated  in  Figure  6b. 


+  5V 


Figure  6a.  Large  Loop  Associated  with  Poorly  Placed 
Bypass  Capacitor 

Ire 
8  TO  12  nH 


Figure  6b.  Equivalent  Circuit  of  Bypass  Loop  of  Figure  6a 

where  LL   =  inductance  of  the  lead  from  the  capacitor 
body  to  the  PC  board 

LPC  =  inductance  of  the  trace  between  the  lead 
arrival  on  the  PC  board  and  the  IC  pin 

L,c  =  inductance  of  the  lead  frame  member  car- 
rying power  within  the  IC  package. 

As  well  as  loop  inductances  due  to  the  above,  the  series 
inductance  of  the  bypass  capacitor  itself  must  also  be 
considered.  It  is  well  known  that  there  is  more  inside  a 
capacitor's  body  than  a  pure  capacitance. 

The  simplified  equivalent  circuit  of  a  0.1  |j.F  capacitor  in 
Figure  7  shows  an  effective  series  resistance  (ESR)  and 
effective  series  inductance  (ESL)  in  series  with  the  ideal 
0.1  m-F  capacitance. 

5TO10nH       50  to  200  mil     0.1  (tF 

O  /"WW  WV  1  I  O 

ESL  ESR  C 

Figure  7.  Equivalent  Series  Representation  of  a  Bypass 
Capacitor 
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Figure  8.  Inductive  Loop  of  a  Bypass  Circuit 

These  inductances  increase  the  total  series  inductance 
of  the  bypass  loop  and  hence  lower  the  series  resonant 
frequency  as  determined  by  the  equation: 


1 


So 


Above  the  series  resonant  frequency  the  impedance 
becomes  more  inductive,  increasing  linearly  with 
increasing  frequency.  For  instance,  a  0.1  |a.F  ceramic 
radial  lead  capacitor  with  1/4  inch  leads  generally  reso- 
nates around  10  MHz. 

The  minimum  value  of  bypass  capacitor  required  is 
determined  by  the  maximum  amount  of  voltage  drop 
allowable  across  the  capacitor  as  a  result  of  the  transient 
current.  An  approximate  value  for  a  bypass  capacitor  is 
given  as 

/.At 

C  =  — —  Farads 
AV 

where  I     =  Maximum  Transient  Current 
At  =  Transient  Duration 
AV  =  Allowable  Voltage  Drop. 

For  example,  a  typical  74  HC  lcc  transient  is  20  mA  high 
lasting  20  ns.  If  the  voltage  drop  is  to  be  kept  below 
100  mV,  then  the  required  bypass  capacitor  is 

(20  mA)  (20  ns)  /  (100  mV) 

or  4  nF  per  output. 

However,  any  series  inductance  in  the  bypass  loop  will 
cause  additional  voltage  spiking.  For  any  given  magni- 
tude of  noise  spike,  an  approximate  expression  for  the 
maximum  amount  of  series  inductance  is  given  by 


V.&t 


Henrys 


where  V  =  Maximum  Noise  Spike 
At=  Transient  Duration 
Al  =  Transient  Current. 


(100  mV)  (4  ns)/(20  mA) 
or  20  nH. 

Referring  back  to  Figure  8,  this  means  that  the  combined 
total  of  ESL,  LL,  LPC  and  L,c  must  be  kept  below  20  nH. 
To  a  greater  or  lesser  extent  the  first  three  terms  are 
within  the  PC  board  designer's  influence;  the  fourth 
term,  the  inductance  of  the  IC  lead  frame  member  or  L,c, 
is  invariable,  being  determined  by  the  IC  package.  The 
use  of  PLCC  packaged  parts,  such  as  the 
ADV478/ADV471,  inherently  reduces  Llc  to  2-3  nH  as 
against  10-12  nH  for  the  more  traditional  DIP  parts  (see 
section  on  "Surface  Mount  Technology"). 

Appendix  1  examines  in  greater  detail  the  characteristics 
and  filtering  capabilities  of  various  bypass  elements 
including  two  and  three  terminal  capacitors. 

Multilayer  PC  Boards 

In  the  design  of  a  high  performance,  high  speed  graph- 
ics system,  it  is  recommended  that  a  four-layer  printed 
circuit  board  be  used. 

Figure  9  shows  a  cross-sectional  view  of  a  four-layer 
printed  circuit  board,  with  power  and  ground  planes 
separating  the  signal-carrying  traces  of  the  component 
and  solder  sides  of  the  PCB.  As  well  as  using  multilayer 
boards,  consideration  should  be  given  to  the  relevant 
placement  of  components.  Figure  10  shows  a  suggested 
component  placement  scheme. 


COMPONENT  SIDE 


SIGNAL  LINES 
GROUND  PLANE 
POWER  PLANE 
SIGNAL  LINES 


SOLDER  SIDE 


Figure  9.  Four-Layer  Printed  Circuit  Board  Construction 


CRYSTAL  CLOCKS  & 
ASSOCIATED  CIRCUITRY 
(NOISY) 


HIGH  SPEED  LOGIC 
MEDIUM  SPEED  LOGIC 
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Figure  10.  Printed  Circuit  Board  Component  Placement 
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Power  and  Ground  Planes 

Power  supply  decoupling  attempts  to  contain  the  tran- 
sient currents  within  the  bypass  loop.  However  it  cannot 
be  100%  successful,  and  some  high  frequency  compo- 
nents will  escape  onto  the  power  and  ground  traces. 
High  frequency  signal  currents  will  also  be  flowing  in  the 
power  and  ground  traces.  In  order  to  avoid  common- 
impedance  noise  coupling  due  to  these  currents,  it  is 
necessary  to  reduce  the  impedance  of  the  power  and 
ground  traces  to  an  absolute  minimum.  The  only  satis- 
factory way  to  achieve  this  is  not  to  use  traces  at  all  but 
to  use  power  and  ground  planes.  On  a  PC-card-sized, 
two-layer  board  with  one  side  devoted  to  a  ground 
plane,  the  impedance  of  the  plane  is  in  the  tens  of  mil- 
liohms  ran 


A  four-layer  board  allows  another  plane  to  be  used  as  a 
power  plane.  Low  impedance  power  and  ground  con- 
tacts are  thus  available  over  the  full  area  of  the  board. 
Additionally,  in  a  four-layer  board  with  power  and 
ground  planes  inside  the  board  and  signal  traces  on  the 
top  and  bottom  of  the  "sandwich,"  overlapping  power 
and  ground  planes  act  as  an  inherent  distributed  capac- 
itor, as  shown  in  Figure  9.  This  provides  some  measure 
of  high  frequency  decoupling.  From  the  signal  intercon- 
nect point  of  view,  the  major  advantage  of  using  a 
ground  plane  is  the  very  substantial  reduction  in  signal 
loop  area  it  provides.  In  a  typical  PCB  layout,  signal 
current  flows  out  through  one  trace  and  back  through  a 
ground  trace.  Such  a  path  can  include  a  large  loop  area; 
a  large  loop  area,  as  has  already  been  discussed,  implies 
high  inductance  for  the  traces  with  follow-on  conse- 
quences of  signal  ringing,  EMI  radiation  and  crosstalk. 
To  reduce  the  inductance  it  is  necessary  to  reduce  the 
loop  area  through  which  the  signal  current  flows.  The 
use  of  power  and  ground  planes  minimizes  loop  areas, 
thereby  reducing  inductances  and  resulting  EMI. 

The  electromagnetic  fields  associated  with  an  idealized 
case  of  two  parallel  wires  carrying  equal  and  opposite 
currents  are  shown  in  Figure  11. 


Figure  1 1.  Electromagnetic  Field  about  Two  Parallel 
Conductors  Carrying  Equal  and  Opposite  Currents 

The  two  fields  (electric,  E,  and  magnetic,  H)  tend  to  be 
confined  between  or  near  the  conductors.  The  electric 
field  is  strongest  in  the  plane  of  the  conductors.  The 
magnetic  field  is  nonzero  at  points  close  to  the  conduc- 
tors, but  farther  away  (relative  to  the  wire  spacing)  the 


fields  from  both  conductors  tend  to  cancel  out.  Keeping 
the  conductors  together  promotes  field  cancellation 
which  can  be  viewed  either  as  minimizing  the  loop  area 
or  minimizing  the  inductance;  the  results  are  the  same. 

Introducing  a  ground  plane  (sheet  of  copper)  halfway 
between  the  wires,  as  shown  in  Figure  12,  does  not 
disturb  the  field  pattern  even  when  the  lower  wire  is 
removed. 


 E  FIELD 


Figure  12.  Electromagnetic  Field  about  Two  Parallel 
Conductors  Separated  by  a  Ground  (Copper)  Plane 

A  virtual  image  of  the  lower  wire  has  been  produced  in 
the  copper  plane  maintaining  the  original  field  configu- 
ration. This  is  the  basis  of  microstrip.  With  a  properly 
designed  ground  plane  system,  the  return  current  will 
always  flow  under  the  signal  trace,  the  path  of  lowest 
impedance. 

Digital  Signal  Interconnections 

The  use  of  a  ground  plane  allows  the  signal  intercon- 
nects to  be  viewed  as  microstrip  transmission  lines 
whose  characteristic  impedances,  propagation  delays, 
etc.,  can  be  readily  calculated.  Microstrip  is  the  name 
given  to  a  transmission  line  which  consists  of  a  signal 
trace  separated  from  a  ground  plane  by  a  dielectric. 
Figure  13  shows  the  cross  section  of  such  a  line. 


SIGNAL  TRACE 


GROUND 
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Figure  13.  Cross  Section  of  Microstrip  Transmission  Line 

The  characteristic  impedance,  Z0,  of  this  line  is 

87        .    f  5.98  h 


Z0 


Ln 


Ve/j  +  1.41       [0.89  b+c 


where 


eR  =  Relative  Dielectric  Constant  of  Board 
typically    eR  =  5  for  glass/epoxy  boards. 

b,  c,  h  =  dimensions  indicated  in  Figure  13 
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The  propagation  delay,  tPD,  of  a  microstrip  line  is  given 
by 

Ira  =  1.017  V0.475     +  0.67  ns/ft. 

Note  that  this  propagation  delay  is  dependent  only  on 
the  dielectric  constant  and  not  on  the  line  geometry. 

The  graph  below  shows  impedance  values  for  various 
configurations  of  microstrip  line. 


40        50       60  70 
LINE  WIDTH  -  Mils 


Figure  14.  Impedance  Versus  Line  Width  &  Dielectric 
Thickness  for  Microstrip  Lines 

Gross  impedance  mismatches  between  the  transmission 
line's  characteristic  impedance  and  the  source  (driver 
output)  or  load  (receiver  input)  impedances  connected 
to  the  line  reflect  the  signal  back  and  forth  on  the  line. 
These  reflections  will  cause  overshoot,  EMI  radiation 
and  crosstalk.  By  properly  terminating  the  line  with 
either  source  or  load  impedances  which  match  that  of 
the  transmission  line,  reflections  can  be  eliminated  or 
substantially  reduced.  However,  not  every  signal  inter- 
connect demands  line  termination;  the  need  is  deter- 
mined by  the  relationship  between  the  rise  (or  fall)  time 
of  the  signal  and  the  time  required  for  the  signal  to 
travel  the  length  of  the  interconnect.  As  a  general  guide- 
line for  digital  signals,  line  termination  is  needed  if  the 
one  way  propagation  delay,  tP,  over  the  length  of  the 
interconnect  is  greater  than  one  eighth  of  the  signal  rise 
time,  tR,  i.e.,  line  termination  is  needed  if 

tP  ft  (1/8)  •  tR  sees. 


most  suitable  for  systems  where  only  one  receiver  (e.g., 
ADV478/ADV471)  is  connected  to  the  line.  Note  that  if 
pull-up  resistors  are  required  on  digital  or  clock  signals, 
they  should  be  connected  to  the  PCB  Power  Plane  (Vcc). 
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GROUND  PLANE 

Figure  15.  Series  Termination  of  Signal  Lines 
Crosstalk 

Crosstalk  is  any  unwanted  signal  coupling  between  par- 
allel PC-board  traces  due  to  mutual  inductance  (LM)  and 
capacitance  (CM),  as  illustrated  in  Figure  16. 


TRANSMITTERS 


-o 


Figure  16.  Capacitive  and  Inductive  Coupling  between 
Signal  Traces 

In  general,  crosstalk  is  directly  proportional  to  line 
impedances,  frequency  and  line  lengths  and  inversely 
proportional  to  line  spacing.  Much  of  the  induced 
crosstalk  in  a  signal  line  is  from  immediately  adjacent 
transmission  lines  which  suggests  that  wider  spacing 
between  lines  will  reduce  the  problem.  This  may  not 
always  be  possible  in  closely  spaced  circuits,  so  an  alter- 
native approach  is  to  shield  the  signal  lines  by  inserting 
narrow  grounded  traces  between  each  signal  line  on  the 
same  wiring  plane,  as  shown  in  Figure  17. 


A  number  of  dc  and  ac  termination  techniques  exist 
which  trade  increased  power  dissipation  against  compo- 
nent count.  The  simplest  termination  technique  which 
dissipates  no  extra  power  is  a  series  termination  one 
where  a  resistor  is  placed  in  series  with  the  signal  inter- 
connect at  the  source  end  of  the  line,  see  Figure  15.  The 
resistor  should  have  a  value  equal  to  the  characteristic 
impedance  of  the  line  minus  the  output  impedance  of 
the  driver  and  should  be  of  metal-film  construction  or 
some  other  low-inductance  material.  The  load  imped- 
ance is  considered  an  open  circuit.  Series  termination  is 
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Figure  17.  Ground  Trace  between  Signal  Lines  Reduces 
Crosstalk 
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At  high  frequencies  capacitive  coupling  dominates.  The 
addition  of  a  shield  (or  ground  trace)  between  the  signal 
lines  changes  the  equivalent  circuit.  Crosstalk  is  now 
reduced  since  the  inductance  LM  is  now  much  larger 
than  either  L,  or  L2  and  capacitance  CM  is  much  smaller 
than  either  C,  or  C2. 

Separate  Power  Plane  for  Video  RAM-DAC 

To  further  isolate  the  Video  RAM-DAC  from  the  PCB's 
power  supply,  Vcc,  it  is  recommended  that  a  separate 
power  plane,  VM,  be  used  for  the  video  RAM-DAC  and 
its  associated  circuitry.  This  analog  power  plane  should 
be  connected  to  the  regular  PCB  power  plane  (Vcc)  at  a 
single  point  through  a  suitable  filtering  device  such  as  a 
ferrite  bead  (see  Appendix  1  -Ferrite  Bead  Inductor). 
This  ferrite  bead  should  be  located  no  more  than  three 
inches  away  from  the  Video  RAM-DAC.  In  the  case  of 
Analog  Devices'  ADV478  and  ADV471,  which  have  mul- 
tiple power  (V^)  pins,  it  is  important  to  connect  all 
these  VAA  pins  to  the  analog  power  plane.  This  elimi- 
nates any  possibility  of  latchup  in  the  device. 


FERRITE  BEAD 


REGULAR  PCB  POWER  PLANE.  Vcc 

Figure  78.  Power  Plane  Decoupling  Using  Ferrite  Beads 
Common  Ground  Plane 

Due  to  the  presence  of  RAM  on  board  the 
ADV478/ADV471  and  ADV476,  it  is  not  recommended  to 
isolate  the  device's  ground  circuitry  from  the  main  PCB 
ground.  Corruption  of  data  could  occur.  These  Video 
RAM-DACs  should  have  all  GND  pins  connected  to  the 
PCB's  regular  ground  plane. 

Analog  Outputs 

The  analog  outputs  of  Analog  Devices'  video  RAM-DACs 
are  driven  by  switched  current  sources.  These  parts  are 
designed  to  drive  either  a  singly  or  doubly  terminated 
75  H  load.  The  doubly  terminated  configuration  shown 
in  Figure  19  is  the  preferred  choice. 

DAC  output  traces  on  a  PCB  should  be  treated  as  trans- 
mission lines.  It  is  recommended  that  the  Video  RAM- 
DAC  be  placed  as  close  as  possible  to  the  output 
connector,  with  the  analog  output  traces  being  as  short 
as  possible  (less  than  3  inches).  The  75  11  termination 
resistors  should  be  placed  as  close  as  possible  to  the 
DAC  outputs  and  should  overlay  the  PCB's  ground 
plane. 


As  well  as  minimizing  reflections,  short  analog  output 
traces  will  reduce  noise  pick  up  due  to  neighboring  dig- 
ital circuitry. 


VIDEO 
RAM-DAC 


IOR.  IOG.  IOB 


2S  =  75  It 
(SOURCE 
TERMINATION!  1 


Figure  19.  Recommended  Analog  Output  Termination 
for  Video  RAM-DACs 

Surface  Mount  Technology  (SMT) 

Surface  mount  technology  (SMT)  offers  many  EMI 
advantages  over  traditional  through-hole  designs. 
Because  SMT  allows  the  designer  to  place  components 
on  both  sides  of  the  printed  circuit  board  as  well  as 
featuring  smaller  component  sizes,  it  provides  superior 
PCB  integration.  This  means  that  loop  lengths  can  be  . 
reduced  and  noisy  signal  traces  can  be  shortened,  all 
having  a  positive  effect  on  EMI.  The  shorter  lead  lengths 
of  SMT  packages  decrease  inductance,  thereby  provid- 
ing better  high  frequency  performance. 

Many,  if  not  all  components  required  for  a  video  graph- 
ics system  are  available  as  surface  mount  devices.  Mem- 
ories, controller  chips  and  logic  are  all  available  in  small 
SMT  packages.  Resistors  and  capacitors  can  also  be 
purchased  in  a  small  "chip"  format. 

As  well  as  producing  Video  RAM-DACs  in  a  dual-in-line 
package  (DIP),  e.g.,  the  ADV476  (28-pin  DIP),  Analog 
Devices  packages  its  ADV478/ADV471  in  44-pin  plastic 
leaded  chip  carriers  (PLCC).  This  package  has  substantial 
advantages  over  DIP  packages  in  that  the  lead-frame 
inductance  is  small  (2-3  nH)  and  constant  for  any  pin 
around  the  package.  A  DIP  package  usually  has  power 
and  ground  on  diagonally  opposing  corner  pins  which 
presents  a  much  larger  lead-frame  inductance 
(10-12  nH).  Additionally  lead-frame  inductance  varies 
with  pin  position. 

In  addition  to  the  PLCC  package  the  ADV478/ADV471 
video  DACs  have  a  number  of  design  features  intended 
to  minimize  EMI  problems. 

The  pinout  of  the  ADV478/ADV471  in  Figure  20  shows 
four  power  pins  and  two  ground  pins.  In  operation,  the 
four  VAA  pins  are  tied  together  at  the  package  and  sup- 
plied with  a  single  +5V  supply.  Similarly  the  two 
ground  pins  are  tied  together  at  the  package  and  con- 
nected to  the  PCB  ground.  Internally,  however,  power 
rail  routing  has  been  separated  according  to  functional- 
ity. The  various  VAA  pins  are  used  to  drive  different 
internal  sections  of  the  ADV478/ADV471 .  One  VAA  pin 
provides  a  common  power  rail  for  "digital"  logic; 
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another  provides  an  "analog"  power  rail  for  the  DAC 
and  reference  circuitry;  while  yet  another  provides 
power  to  the  n-substrate  of  the  device.  Since  all 
p-channel  transistors  have  as  their  back-gate  the 
n-substrate,  a  separate  substrate  supply  acts  to  isolate 
the  DAC  power  rail  from  noise  transients  injected  into 
the  substrate  by  switching  transistors.  The  use  of  multi- 
ple power  and  ground  pins  results  in  reduced  voltage 
spiking  and  improved  power  supply  rejection  at  the  DAC 
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Figure  20.  ADV478/ADV471  PLCC  Pin  Assignment  Show- 
ing Multiple  Power  and  Ground  Connection  Points 


CIRCUIT  LAYOUT  FOR  THE  ADV478/ADV471 

A  recommended  layout  and  component  listing  for  the 
ADV478/ADV471  is  shown  in  Figure  21.  More  details 
regarding  the  characteristics  of  various  decoupling  and 
filtering  components  can  be  found  in  Appendix  1  of  this 
application  note. 
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Figure  21.  Connection  Diagram  and  Component  Listing 
for  the  ADV478/ADV471 


GETTING  FCC  CERTIFICATION 

The  final  chapter  in  EMI  design  is  the  actual  test.  With 
good  design  practice  and  even  a  partial  adherence  to 
some  of  the  issues  raised  in  this  application  note,  no 
difficulty  should  be  encountered  in  achieving  certifica- 
tion. The  testing  itself  however  must  be  carried  out  with 
great  care  in  order  to  do  justice  to  your  design.  It  should 
be  remembered  that  in  the  case  of  a  peripheral  device 
such  as  a  VGA  board,  FCC  testing  is  applied  to  a  com- 
plete operating  computer  system.  This  complete  system 
must  pass  with  the  VGA  board  present  before  the  VGA 
board  itself  is  considered  to  have  passed. 

A  complete  operating  computer  system  is  configured 
using  the  following: 

1.  a  PC  compatible  computer  with  keyboard 

2.  a  printer  connected  to  the  printer  port 


3.  a  mouse  or  modem  connected  to  the  serial  port 

4.  a  monitor. 

The  PC  and  all  its  peripherals  must  be  operating  when 
measurements  are  made. 

It  is  paramount  that  only  the  best  equipment  is  used.  If 
for  example  a  noisy  monitor  is  used,  the  test  results 
might  not  pass  the  agency  limits,  not  because  your 
board  is  at  fault,  but  perhaps  because  of  a  poor  quality, 
noisy  monitor  used  in  the  test.  An  excellent  choice  of 
monitor  is  IBM's  851X  series.  Another  principal  culprit, 
causing  EMI  in  such  a  system,  is  the  parallel  printer 
cable.  A  good  quality,  shielded  cable  must  be  used. 

If  you  are  using  an  outside  test  house,  it  is  advisable  to 
be  present  during  testing,  or  at  least  have  a  representa- 
tive from  your  company  who  understands  the  operation 
of  the  system  and  its  various  components. 
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AD/VGA 

Analog  Devices  has  designed  its  own  high  performance 
graphics  board,  AD/VGA  for  evaluation  purposes.  The 
board  design  is  based  on  the  ET3000AX*  Video  Graphics 
Controller  from  Tseng  Labs  and  the  high  performance 
ADV478/ADV471  Color  Palette  RAM-DAC  from  Analog 
Devices.  The  board  is  fully  compatible  with  all  IBM  PCf 
video  standards  as  well  as  IBM  PS/2T  Video  Graphics 
Array  (VGA).  It  has  additional  modes  including  800  x 
600  resolution  with  256  colors  as  well  as  1024  x  768  in 
16  colors.  These  modes  require  pixel  data  rates  of  up  to 
45  MHz  or  66  MHz.  The  silkscreen  showing  component 
placement  and  type  for  the  AD/VGA  board  is  shown  in 
the  appendix. 

The  board  has  been  certified  to  comply  with  the  limits 
for  a  Class  B  computing  device  pursuant  to  Subpart  J  of 
Part  15  of  FCC  Rules. 

FCC  ID:  HRF55L8826VGA 

One  actual  set  of  measurements  for  radiated  emissions 
from  the  AD/VGA  board  is  shown  in  Appendix  2.  Results 
can  be  compared  to  the  FCC  limits  as  listed  in  Table  I. 


The  AD/VGA  board  was  installed  in  a  DELL  SYS  200* 
computer  using  an  IBM  8514  monitor.  A  modem,  printer 
and  mouse  were  attached.  These  measurements  were 
made  in  132  x  44  text  mode. 

A  complete  set  of  test  results  is  available  for  inspection. 
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APPENDIX  1 


EMI  FILTERING  COMPONENTS 

No  matter  how  well  a  PCB  is  laid  out,  there  will  always 
be  a  need  for  some  kind  of  filtering.  This  section  of 
the  application  note  examines,  in  some  detail,  a  num- 
ber of  filtering  devices  which  are  suitable  for  a  high 
speed  graphics  system.  The  frequency  characteristics  of 
such  devices  as  well  as  their  inherent  limitations  will  be 
discussed. 

The  effect  of  an  EMI  filter  is  generally  expressed  in  terms 
of  insertion  loss.  Noise  suppression  is  described  as  a 
logarithm  of  the  ratio  of  the  output  voltage  without  a 
filter  to  that  with  a  filter  in  the  circuit  and  is  normally 
expressed  in  units  of  dBs.  The  simplest  example  is  a  first 
order  device,  a  parallel  capacitor  or  series  inductor.  A 
first  order  filter  has  an  insertion  loss  slope  of  20  dB  per 
decade. 

Table  1-1  shows  a  list  of  suitable  filtering  devices  and 
their  useful  frequency  bandwidth. 


Filtering  Device 

Effective  Bandwidth 

Two-Terminal  Capacitor 

100  kHz-50  MHz 

Ferrite-Bead  Inductor 

10  MHz-500  MHz 

Three-Terminal  Capacitor 

1  MHz-800  MHz 

Four-Terminal  LC  Filter 

100  kHz-1  GHz 

Table  1-1.  Effective  Bandwidth  of  Various  Filtering 
Devices 

The  favorite  and  most  widely  used  filtering  device  in 
electronic  apparatus  today  is  undoubtedly  the  "Bypass- 
Capacitor."  It  is  simple  to  use,  very  effective  and  cheap. 
Unfortunately  though,  its  effect  in  a  high  frequency 
graphics  systems  is  sometimes  the  opposite  to  what  is 
desired.  A  little  thought  regarding  choice  of  capacitor,  in 
terms  of  construction  and  value  can  lead  to  a  dramatic 
improvement  in  noise  performance. 

Two-Terminal  Capacitor 

Let  us  first  take  a  more  detailed  look  at  the  structure  of  a 
real  capacitor. 

The  impedance  of  an  ideal  capacitor  connected  between 
line  (Vcc)  and  ground  is  given  by 

Zc  =  2^fC. 

From  Figure  1-1,  we  can  see  that  the  insertion  loss  of  an 
ideal  capacitor  increases  with  frequency  at  a  rate  equal 
to  20  dB/decade.  In  other  words,  the  capacitor's  filtering 
effect  is  greatest  for  higher  value  frequency  compo- 
nents. Increasing  the  value  of  capacitance  has  the  effect 
of  filtering  out  lower  frequency  components.  In  the  real 
world,  however,  a  two-terminal  capacitor  has  inductance 
in  series  with  the  capacitance,  due  to  the  inherent  induc- 
tance of  the  lead  wires  as  shown  in  Figure  1-2.  The 
reactance  characteristic  of  such  a  capacitor  is  shown  in 
Figure  1-3  with  the  composite  insertion  loss  characteris- 
tic shown  in  Figure  1-4.  Clearly,  the  inductance,  ESL, 
limits  the  insertion  loss.  The  residual  inductance  of  a 
capacitor  is  a  function  of  both  the  electrode  construction 


as  well  as  lead  length.  This  inductance  can  vary  between 
5nH  and  150  nH. 


CAPACITANCE 
VALUE 


50  100      500  1000 


FREQUENCY  -  MHz 


Figure  1-1.  Insertion  Loss  Versus  Frequency  for  Ideal 
Capacitors 


Figure  1-2.  Real  Capacitor  Showing  ESL  Due  to  /.,  and  L2 

Table  1-2  shows  typical  values  of  series  inductance  for 
various  capacitor  types. 


Equivalent 

Capacitor 

Capacitance 

Series  Inductance 

Type 

HF 

(ESL)  nH 

Lead  Type 

Monolithic  Ceramic 

0.01 

5 

0.1 

5 

1.0 

6 

Disc/Lead  Type  Ceramic 

0.0002 

4.5 

PolyethyleneTelephthalate 

0.03 

9 

Mica 

0.01 

52 

Polystyrene  Film 

0.001 

12 

0.1 

100 

Tantalum  Electrolytic 

(with  Solid  Electrolyte) 

16 

5 

Aluminum  Electrolytic 

RF  Specific 

470 

13 

Standard 

470 

130 

. 

Table  1-2.  ESL  for  Various  Capacitor  Constructions  and 
Values 
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Figure  1-5.  A  Large  Value  Capacitor  Has  a  Decreased  f0 

The  resulting  effect  of  this  equivalent  series  inductance 
(ESL)  is  a  reduction  in  the  effectiveness  of  the  capacitor 
at  filtering  frequency  components  beyond  a  certain 
point,  known  as  the  resonant  frequency,  fQ.  It  can  be 
seen  from  Figures  1-4  to  1-6  that  increasing  the  capaci- 
tance value  can  have  the  effect  of  reducing  the  resonant 
frequency  thereby  reducing  the  ability  of  this  device  to 
filter  out  higher  frequency  components.  It  is  therefore 
imperative  that  a  capacitor  with  low  residual  inductance 
be  used.  A  good  choice  of  high  frequency  decoupling 
capacitor  would  be  a  0.1  jjlF  lead  type  monolithic 
ceramic  capacitor  (MCC).  This  has  a  series  inductance  of 
approximately  5  nH.  The  resonant  frequency,  fD,  is  thus 
kept  high  thereby  maximizing  high  frequency  rejection. 

As  well  as  series  inductance,  a  capacitor  will  also  con- 
tain resistance,  referred  to  as  equivalent  series  resis- 
tance (ESR).  See  Figure  1-7. 

C  ESR 
O  1  |  VA  o 

Figure  1-7.  Real  Capacitor  showing  ESR 


Figure  1-6.  A  Capacitor  with  Low  ESL  Has  an  Increased 

This  resistance  imposes  a  finite  limit  on  the  ability  of  a 
capacitor  to  bypass  high  frequencies  to  ground.  Total 
impedance  of  the  device  can  never  be  lower  than  that 
imposed  by  the  equivalent  series  resistance.  A  capacitor 
having  a  high  ESR  will  exhibit  a  flattened  insertion  loss 
curve,  compared  with  the  sharp  resonant  point  typically 
observed  in  capacitors  with  lower  ESR  values. 

The  overall  equivalent  circuit  of  a  two-terminal  capacitor 
with  ESL  and  ESR  is  shown  in  Figure  1-8. 

5TO10nH    50  TO  200  ml!       0.1  |iF 
O  ""W-Y-N  WV  j  |  O 

ESL  ESR  C 

Figure  1-8.  Equivalent  Circuit  of  a  Real  Capacitor 

Maximum  noise  reduction  wiil  be  achieved  through  the 
selection  of  capacitors  with  lowest  ESL  and  ESR  values. 

At  least  one  decoupling  capacitor  should  be  used  for 
each  IC  in  the  system.  In  the  case  of  the  Video  RAM- 
DAC,  it  is  recommended  that  for  high  frequency  sup- 
pression, a  0.1  (j.F  ceramic  capacitor  be  used  to  decouple 
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each  group  of  VAA  pins  to  ground.  Low  frequency  com- 
ponents can  be  decoupled  through  the  use  of  a  10  |aF 
tantalum  capacitor.  Figure  21  shows  the  recommended 
decoupling  scheme  for  the  ADV478/ADV471 .  Capacitors 
with  minimal  lead  length,  should  be  placed  as  close  as  is 
physically  possible  to  the  device. 

Three-Terminal  Capacitor 

Three-terminal  capacitors  have  filtering  characteristics 
extending  to  several  hundred  MHz.  Two  leads  at  the  line 
side  of  the  capacitor  provide  line  input  and  output 
respectively,  see  Figure  1-9.  This  reduces  effective  series 
inductance. 


Figure  1-9.  Equivalent  Circuit  of  a  Three-Terminal 
Capacitor 

One  particular  example  of  the  use  of  such  a  three- 
terminal  device  would  be  at  the  analog  outputs  of  the 
Video  RAM-DAC.  The  NFV510  series  of  three-terminal 
capacitors  from  Murata  have  a  sharp  insertion  loss  char- 
acteristic. This  means  that  high  frequency  signals  can  be 
filtered  without  affecting  the  integrity  of  the  signal  itself. 
The  NFV510  series  has  an  excellent  shape  factor,  due  to 
an  inherent  roll-off  of  100  dB/decade,  see  Figure  1-10.  It 
therefore  suppresses  noise  without  reducing  resolution. 
In  the  case  of  a  graphics  system  with  video  output  rates 
of  80  MHz,  the  NFV510-655  T2A  107  could  be  employed 
at  the  outputs  of  each  of  the  red,  green  and  blue  DACs. 

0 


NFV510-655  T2A  106  /\  1 

i     i  i  V 

NFV510-655  T2A  206  /\ 

NFV510-655  T2A  506  \ 

i  1  V 

NFV510-655  T2A  107 

5      10  50     100  500  1000 

FREQUENCY  —  MHz 

Figure  1-10.  Frequency  Response  of  the  NVF510  Series 
of  Three-Terminal  Capacitors 


Ferrite  Bead  Inductor 

A  ferrite  is  another  very  useful  component  in  the  effec- 
tive suppression  of  EMI.  One  can  consider  a  ferrite  bead 
as  a  high  frequency  resistor  with  no  resistance  at  dc. 
Ferrites  have  filtering  characteristics  which  extend  well 
into  the  megahertz  range.  They  can  be  used  to  provide 
isolated  power  planes,  e.g.,  a  PCB's  power  plane  may  be 
subdivided  into  an  analog  power  plane  (V^)  and  clock 
circuitry  power  plane,  see  Figure  18.  Ferrite  beads  work 
both  ways;  one  prevents  noise  components  on  the  PCB 
power  plane  from  being  coupled  onto  the  analog  power 
plane,  while  the  other  filters  out  noise  components  from 
the  clock  circuitry.  The  analog  power  plane  provides 
power  to  the  Video  RAM-DAC  and  all  its  associated  ana- 
log circuit,  while  the  clock  circuitry  power  plane  provides 
power  to  the  crystal  oscillators  and  clock  divide  circuitry. 

It  is  not,  however,  recommended  to  use  a  ferrite  bead  in 
separating  ground  planes;  a  separate  analog  ground 
plane  to  the  Video  RAM-DAC  may  have  disastrous 
effects  on  the  contents  of  the  on-board  color  look-up 
table.  One  common  ground  plane  should  encompass 
the  entire  PCB. 

The  system's  shield  ground  or  e  arth  may  be  connected 
through  a  ferrite  bead  to  the  regular  PCB  ground. 

Ferrite  is  the  generic  term  given  to  a  class  of  non- 
conductive  ceramics.  They  are  constructed  using  combi- 
nations including  oxides  of  iron,  cobalt,  nickel,  zinc, 
magnesium  and  some  rare  earth  materials.  It  is  impor- 
tant to  be  careful  in  choosing  ferrite  beads.  Ferrite  com- 
position and  therefore  filtering  characteristics  can  vary 
quite  significantly  from  manufacturer  to  manufacturer. 
Analog  Devices  recommends  the  use  of  the  BL01/02/03 
series  of  ferrite  bead  inductors  from  Murata  as  well  as 
the  Fair-Rite  2743001 111.  The  frequency  characteristic  of 
a  radial  single  bead  ferrite  bead  is  shown  in  Figure  1-11. 
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Figure  1-11.  Frequency  Characteristic  of  the  BL01RN 
Ferrite  Bead  Inductor 

DC  Power  Filter 

In  some  cases  it  might  be  necessary  to  filter  the  power 
source's  high  frequency  components.  This  is  often  the 
case  when  switched  mode  power  supplies  are  used.  If  it 
is  found  that  the  system's  power  supply  is  excessively 
noisy,  one  could  consider  the  use  of  a  dc  power  filter 
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such  as  a  BNX002-01  from  Murata  or  equivalent.  This 
filter  which  consists  of  a  large  value  monolithic  4- 
terminal  capacitor,  a  feed-through  capacitor  and  beads, 
as  shown  in  Figure  1-12,  produces  an  effective  filtering 
effect,  40  dB  min  over  the  frequency  range  1  MHz  to 
1  GHz.  Figure  1-13  shows  the  filtering  characteristic  of 
the  BNX  series  of  power  filters  from  Murata. 
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Figure  1-12.  Equivalent  Circuit  of  a  dc  Power  Filter 
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Figure  1-13.  Frequency  Response  of  the  BNX  Series  of  dc  Power  Filters 
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FCC  TEST  RESULTS  OF  AD/VGA 
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Sample  of  FCC  Test  Results  for  ADA/GA  Board 
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APPENDIX  3 


AD/VGA  COMPONENT  PLACEMENT  (SILKSCREEN) 
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Choosing  DACs  for  Direct  Digital  Synthesis 


David  Buchanan 


INTRODUCTION 

Direct  Digital  Synthesis  (DDS)  is  a  technique  for  deriv- 
ing, under  digital  control,  an  analog  frequency  source 
from  a  single  reference  clock  frequency.  This  technique 
provides  high  frequency  accuracy;  temperature  and 
time  stability;  wideband  tuning;  and  very  fast,  phase 
continuous  frequency  tuning.  The  performance  of  syn- 
thesizers using  this  technique  is  often  limited  by  the 
performance  of  available  digital-to-analog  converters 
(DACs).  This  application  note  explains  the  basic  architec- 
ture of  DDS  and  some  of  its  advantages  in  system 
design,  and  outlines  some  of  the  performance  character- 
istics designers  should  look  for  when  choosing  DACs  for 
DDS  applications.  Performance  tradeoffs  are  also  ex- 
plored, and  recommendations  are  made  for  characteriz- 
ing the  DACs. 

DDS  BACKGROUND 

A  simplified  block  diagram  of  a  direct  digital  synthesizer 
is  shown  in  Figure  1.  The  synthesizer  has  two  digital 


inputs:  a  frequency  control  word  (A  Phase)  and  a  refer- 
ence clock  signal  (fc).  The  output  of  the  synthesizer  is  an 
analog  sine  wave  with  frequency  f8.  The  relationship 
between  fc  and  fa  is  determined  as 

V  DUAQC 


1  PHASE 

fa  —  fc 


Where  N  is  the  resolution  of  the  frequency  control  word, 
Phase. 

As  illustrated  in  Figure  1,  the  circuit  is  easily  divided  into 
three  blocks:  a  phase  accumulator,  a  phase-to-sine  con- 
verter, and  a  DAC.  The  first  two  blocks  are  both  digital 
circuits.  The  phase  accumulator  is  simply  an  adder  with 
a  programmable  step  size,  A  Phase,  representing  the 
phase  step  taken  by  the  output  waveform  during  each 
clock  cycle.  On  each  clock  cycle,  the  phase  accumulator 
output  represents  the  phase  of  the  output  sine  wave, 
with  all  zeros  representing  0  radians,  and  all  ones  repre- 
senting 2-rr.  This  signal  is  a  digital  ramp  with  a  frequency 
equal  to  the  output  sine  wave. 
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Figure  1.  Block  Diagram  of  DDS  Generator 
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essary  to  reduce  the  complexity  01  the  pnase'-'to-sme 
conversion.  This  function  may  be  performed  by  a  look- 
up table  stored  in  memory,  or  the  sine  value  may  be 
calculated  from  a  digital  algorithm  to  make  a  faster  or 
smaller  circuit. 

The  phase  accumulator  and  phase-to-sine  converter  to- 
gether form  a  DDS  system  with  a  digital  output.  The 
digital  output  is  useful  in  many  applications  as  a  fre- 
quency reference  (digital  demodulation  as  an  example), 
but  most  applications  require  a  transformation  of  the 
digital  sine  wave  into  an  analog  frequency  reference. 
This  makes  the  digital  to  analog  converter  extremely 
important. 

DDS  PERFORMANCE  CHARACTERISTICS 

DDS  has  both  advantages  and  disadvantages  over 
other  frequency  synthesis  techniques  such  as  phased 
locked  loops.  While  it  is  not  the  intent  of  this  paper  to 
explore  fully  the  tradeoffs  of  choosing  DDS  architecture 
for  a  synthesizer,  it  will  point  out  some  of  the  more 
obvious  ones  and  discuss  the  important  performance 
characteristics. 

A  DDS  system  effectively  provides  a  frequency  reference 
that  is  a  fraction  of  the  clock  input  frequency.  The  DDS  is 
digitally  tuned  by  the  A  Phase  input,  usually  controlled 
by  a  microcontroller  or  digital  signal  processor.  Once  the 
digital  data  are  registered  on  board  the  phase  accumu- 
lator, the  controlling  circuits  are  free  to  perform  other 
functions  in  the  system.  The  digital  nature  of  the  DDS 
eliminates  the  inconvenience  associated  with  the 
"tweaking"  of  synthesizer  designs  that  rely  on  analog 
component  values  to  determine  frequencies. 

The  frequency  resolution  is  determined  by  N,  the  reso- 
lution of  A  Phase,  as 

As  an  example,  if  the  DDS  clock  reference,  fc,  is  20  MHz, 
and  N  =  32,  the  frequency  resolution  of  the  synthesizer 
will  be  4.66  millihertz  (mHz).  This  is  an  advantage  over 
phased  locked  loops,  in  which  the  reference  frequency 
directly  determines  the  frequency  resolution  and  must 
be  large  enough  to  avoid  large  multiplication  ratios. 
Most  integrated  solutions  for  DDS  provide  at  least  24 
bits  of  frequency  resolution;  some  provide  up  to  48  bits. 
Many  phase  accumulators  are  designed  so  they  can  be 
cascaded  to  increase  the  frequency  resolution. 

DDS  provides  not  only  very  accurate  frequency  resolu- 
tion, but  also  provides  a  wide  frequency  range.  As  de- 
scribed above,  the  output  frequency  is  determined  as  a 
fraction  of  the  clock  frequency  reference.  The  lowest 
frequency  is  the  smallest  fraction  of  the  clock  that  can  be 


over  time  have  increased  the  available  clock  rates  of 
both  the  digital  and  DAC  portions  of  the  DDS  circuit. 

DDS  TECHNOLOGY  TODAY 

As  in  other  digital  circuits,  the  phase  accumulator  and 
phase-to-sine  conversion  circuit  designs  must  be  opti- 
mized for  cost  and  power.  The  DAC  design  must  also 
address  power  and  cost  concerns,  but  dynamic  perfor- 
mance of  the  converter  is  of  premium  consideration. 

There  are  CMOS  digital  devices  available  that  provide 
DDS  solutions  for  clock  rates  up  to  100  MHz.  A  few 
bipolar  devices  cover  clock  frequencies  up  to  300  MHz, 
and  there  are  also  GaAs  devices  that  provide  digital 
solutions  up  to  1.4  GHz  clock  rates. 

Most  DACs  used  in  DDS  are  bipolar,  although  a  few 
GaAs  DAC  designs  see  service  in  the  higher  frequency 
applications.  Designers  prefer  monolithic  DACs  to  keep 
the  cost  of  the  converter  reasonable.  Some  12-bit  mono- 
lithic DACs  can  clock  up  to  100  MSPS  (AD9713B),  while 
higher  speed  applications  can  take  advantage  of  mono- 
lithic 10-bit  designs  that  clock  up  to  400  MSPS  (AD9720). 
Above  400  MSPS,  there  are  a  few  8-bit  devices.  As  a 
later  section  of  this  paper  will  point  out,  resolution  and 
speed  of  a  DAC  do  not  always  determine  the  DACs 
suitability  for  DDS  applications. 

ADVANTAGES  AND  DISADVANTAGES 

While  the  available  clock  frequencies  described  above 
indicate  that  DDS  circuits  can  generate  output  frequen- 
cies well  into  the  UHF  band,  in  practice  the  frequency 
range  of  a  DDS  system  is  limited  by  the  real  world 
characteristics  of  the  DACs.  This  is  because  the  resolu- 
tion and  performance  (in  terms  of  power,  cost,  ease  of 
use)  that  can  be  practically  realized  in  the  DACs  at  higher 
clock  frequencies  are  limited.  Designers  may  find  that  a 
particular  system  design  could  benefit  from  a  DDS 
which  would  generate  a  frequency  reference  directly, 
but  the  required  clock  rate  dictates  power,  cost,  and 
performance  tradeoffs  that  are  unacceptable. 

Often  the  benefits  of  the  DDS  can  be  preserved  by  using 
a  hybrid  design  approach.  An  example  of  this  would  be 
to  use  DDS  at  an  intermediate  frequency  with  a  mixer 
and  second  frequency  reference,  or  a  PLL  to  translate 
the  signal  to  the  RF  band. 
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Furthermore,  as  the  output  frequency  increases,  the 
number  of  amplitude  samples  for  each  sine  cycle  de- 
creases, making  it  more  difficult  for  the  DAC  to  repro- 
duce accurately  the  output  sine  wave.  The  accuracy  of 
the  analog  sine  wave  is  often  described  in  terms  of  its 
spectral  purity  (see  below).  Each  system  application  of 
DDS  will  have  a  limit  on  spectral  purity.  In  many  appli- 
cations, the  DDS  system  will  meet  the  spectral  purity 
specifications  over  only  a  portion  of  the  available  fc/2 
bandwidth,  effectively  limiting  the  frequency  range  of 
the  synthesizer.  As  a  rule  of  thumb,  the  output  frequency 
should  be  limited  to  one  fourth  of  the  clock  frequency  to 
preserve  a  reasonable  level  of  spectral  purity. 

Figure  2  illustrates  another  feature  of  DDS,  its  frequency 
tuning  speed.  If  the  phase  input  is  changed,  the  phase 
accumulator  instantaneously  changes  to  the  new  fre- 
quency at  the  next  clock  cycle.  Pipeline  delays  used  in 
the  digital  circuits  are  usually  the  only  limit  to  switching 
speed.  Frequency  transitions  in  DDS  are  also  phase  con- 
tinuous. Figure  2  illustrates  how  this  instantaneous, 
phase  continuous  frequency  switching  might  compare 
to  that  of  a  phase  locked  loop.  The  PLL  transition  in- 
cludes a  frequency  transition  period  (tSETTLiNG,  usually  a 
few  microseconds)  and  a  frequency  overshoot.  Coherent 
analog  frequency  synthesizers  (fixed  oscillators,  mixers, 
and  filters)  also  have  fast  switching  speed,  but  are  not 
phase  continuous  and  cannot  be  implemented  easily. 
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Figure  2.  Comparison  of  DDS  and  PLL  Frequency 
Switching  Characteristics 

DDS  also  has  inherently  low  phase  noise  and  drift. 
These  characteristics  are  essentially  those  of  the 
reference  clock,  fc.  In  most  DDS  applications,  a  fixed 
crystal  oscillator  provides  the  reference  frequency  and 
therefore  the  phase  noise  and  drift  characteristics  are 
excellent. 

As  mentioned  earlier,  the  spectral  purity  of  a  DDS  is 
often  a  limiting  factor  in  its  performance,  and  is  deter- 
mined by  the  dynamic  performance  of  the  DAC.  Ideally, 
a  synthesizer's  output  spectrum  consists  of  a  single 
frequency. 


Since  a  DDS's  output  is  based  on  a  digital  approxima- 
tion of  the  sine  wave,  the  theoretical  output  spectrum 
contains  only  the  frequency  of  interest  and  a  constant 
quantization  noise  of  q/(1 2)1/2  (where  q  is  the  weight  of 
one  LSB)  spread  evenly  from  dc  to  fc/2.  This  ideal  spec- 
trum is  illustrated  in  Figure  3  (which  ignores  phase 
noise).  As  with  all  sampled  systems,  the  amplitude  re- 
sponse of  the  output  frequency  is  weighted  as 

sin  (ir  falfc) 
5  PI 

where  A  is  the  normalized  output  amplitude. 
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Figure  3.  ideal  DDS  Output  Spectrum 

This  effect  can  be  corrected  by  a  digital,  inverse  (sine 
x)/x  filter.  Images  of  the  Nyquist  bandwidth  (dc  to  fJ2) 
will  appear  around  each  multiple  of  fc,  again  weighted 
by  the  (sine  x)/x  function.  These  images  are  commonly 
removed  with  a  low  pass  filter  at  the  output  of  the  DAC. 

A  more  realistic  illustration  of  a  DDS  output  spectrum  is 
shown  in  Figure  4.  Here  it  becomes  evident  that  transfer 
functions  are  not  ideal.  The  additional  signal  content  is 
generated  by  the  digital-to-analog  conversion  process. 
The  noise  contribution  is  no  longer  uniform,  and  har- 
monics of  the  fundamental  frequency  and  its  images  are 
created,  along  with  other  frequencies  that  have  no  obvi- 
ous harmonic  relationship. 

In  many  applications,  a  synthesizer  must  meet  a  speci- 
fied spurious  free  dynamic  range  (SFDR)  over  its  output 
bandwidth.  This  specification  defines  the  difference  in 
power  of  the  signal  of  interest  and  the  worst  case  (high- 
est) signal  power  of  any  other  signal  in  the  band  of 
interest.  This  concept  is  illustrated  in  Figure  4  for  the 
Nyquist  bandwidth.  Some  other  definitions  of  SFDR  do 
not  include  direct  harmonics,  despite  the  fact  the  fre- 
quency band  of  interest  may  include  them. 
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Figure  4.  Real  DDS  Output  Spectrum 


It  is  difficult  to  generalize  about  the  SFDR  of  direct  digital 
synthesizers  because  of  the  number  of  variables  in- 
volved. The  resolution  of  the  DAC,  its  ac  characteristics, 
clock  rate,  and  the  circuit  layout  all  come  into  play.  DAC 
characteristics  that  contribute  to  these  errors  are  dis- 
cussed later.  Even  if  the  DAC  contributions  were  con- 
stant, generalizations  might  still  be  misleading.  For 
instance,  the  illustration  in  Figure  4  defines  a  SFDR  for 
the  Nyquist  bandwidth;  an  application  whose  band  of 
interest  was  limited  from  fc/8  to  f,V4  would  see  an  im- 
provement in  this  specification.  Applications  also  vary 
widely  in  their  requirements  for  spectral  purity.  System 
designs  which  take  advantage  of  the  frequency  accuracy 
and  stability  for  channel  selection  often  require  a  very 
high  SFDR,  and  are  thus  restricted  to  smaller  band- 
widths.  Systems  that  take  advantage  of  the  digital  inter- 
face to  implement  IF  modulators  may  be  more  forgiving 
in  their  spectral  requirements,  and  therefore  can  use  a 
wider  bandwidth. 

As  the  discussion  of  DACs  below  indicates,  the  only  safe 
generalization  about  spectral  purity  is  "each  DDS  appli- 
cation must  be  proven  out  and  characterized  in  the  lab." 
It  is  unfair,  however,  to  prepare  this  application  note 
without  giving  the  reader  some  idea  of  the  performance 
that  can  be  achieved  with  available  technology. 

Ten-  to  twelve-bit  DACs  have  been  shown  to  provide  up 
to  70  dB  of  SFDR  in  applications  with  clock  rates  less 
than  80  MHz  and  analog  bandwidths  less  than  a  few 
MHz.  Designs  using  higher  clock  rates  have  been  limited 
to  8-bit  DACs,  and  a  SFDR  of  up  to  45  dB  is  often  quoted 
as  a  limit.  Caution  is  advised  in  using  these  figures 
because  they  may  not  be  applicable  over  wide  analog 
bandwidths. 


The  modulation  capabilities  of  a  synthesizer  are  also 
important,  and  DDS  is  versatile  in  this  respect.  Fre- 
quency modulation  is  possible  directly  through  the 
A  phase  data  port.  In  fact,  circuits  ahead  of  the  DDS 
could  use  the  A  phase  input  to  specify  both  channel 
selection  and  FM  modulation  simultaneously. 

Figure  5  shows  a  DDS  block  diagram  modified  to  include 
digital  control  of  the  phase  modulation  (PM)  and  ampli- 
tude modulation  (AM)  of  the  waveform.  Thus,  a  user 
could  implement  all  three  forms  of  modulation  digitally 
with  a  highly  integrated  DDS. 
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Figure  5.  Modulated  DDS 

Amplitude  modulation  can  also  be  implemented  by 
modulating  the  reference  to  the  DAC.  Figure  6  shows  a 
circuit  using  a  second  DAC  to  modulate  the  DDS  DACs 
reference  under  digital  control.  In  such  an  application, 
the  amplitude  modulation  data  would  have  to  be  skewed 
in  time  to  match  any  pipeline  delays  in  the  digital  part  of 
the  DDS  system.  Many  DAC  designs  integrate  a  refer- 
ence and  reference  amplifier,  but  only  a  few  provide 
enough  bandwidth  to  support  multiplying  applications. 
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Figure  6.  Amplitude  Modulation  Using 
a  Multiplying  DAC 

To  this  point,  DDS  has  been  described  as  a  wideband, 
frequency  agile  synthesizer  with  digital  tuning  and  mod- 
ulation capabilities,  phase  continuous  frequency  transi- 
tions, high  dynamic  range,  and  good  phase  noise  and 
stability.  This  set  of  characteristics  is  unique,  and  not 
easily  realized  with  any  other  synthesizer  architecture.  In 
terms  of  price  and  power  dissipation,  components  that 
accommodate  real  world  applications  have  been  avail- 
able for  only  a  few  years.  The  availability  of  complete 
digital  solutions  and  higher  performance  DACs,  opti- 
mized for  price  and  performance,  is  sure  to  drive  this 
frequency  synthesis  option  into  many  applications. 

There  are,  of  course,  tradeoffs  and  limitations  that  de- 
signers must  make  to  take  advantage  of  this  versatile 
synthesizer  architecture.  Applications  requiring  a  high 
SFDR  will  find  their  options  limited  to  the  higher  resolu- 
tion DACs  with  lower  clock  rates  and  analog  band- 
widths.  Applications  that  can  take  advantage  of  the 
higher  speed  DDS  solutions  may  find  the  cost  and 
power  prohibitive.  Designers  must  evaluate  their  sys- 
tem's architecture  to  determine  if  DDS  offers  an  advan- 
tage over  traditional  frequency  synthesis  techniques,  or 
if  a  modified  architecture  could  take  advantage  of  DDS 
and  improve  system  performance.  Applications  which 
can  usually  take  advantage  of  DDS  include  (but  are  not 
limited  to)  advanced  military  radar,  high  performance 
instrumentation,  digital  communications  links,  and  com- 
mercial cellular  communications. 

CHOOSING  DACS  FOR  DDS 

Since  DDS  provides  a  frequency  reference,  it  makes 
sense  that  its  key  specifications  are  in  the  frequency 
domain.  While  the  phase  noise  and  stability  require- 
ments may  be  directly  related  to  specifications  of  the 
frequency  reference,  fc,  it  is  difficult  to  relate  frequency 
range  and  SFDR  specifications  directly  to  high  speed 
DACs  that  are  suitable  for  DDS  applications.  High  speed 
DACs  are  traditionally  specified  in  the  time  domain.  This 
is  reasonable,  since  the  traditional  applications  (video, 
analog-to-digital  converter  building  blocks,  fast  tuning 
voltage  references)  are  concerned  with  the  time  domain 
characteristics  of  the  DAC.  These  specifications  are  con- 
stant without  regard  to  the  end  application. 


Earlier  sections  of  this  paper  described  the  high  perfor- 
mance characteristics  of  the  DDS  architecture  and  how 
its  use  is  likely  to  grow  in  communication,  instrumenta- 
tion, and  military  applications.  It  would  seem  natural, 
with  such  an  opportunity,  that  DAC  manufacturers 
would  design  and  specify  devices  especially  for  DDS 
applications  and  solve  the  problem  of  choosing  DACs 
for  DDS.  To  some  degree,  this  is  already  happening. 

Highly  integrated  DACs  (including  on-board  registers, 
reference  circuits,  and  reference  amplifiers)  optimized 
for  waveform  synthesis  are  available  today,  and  manu- 
facturers are  providing  applications  support  for  their  use 
in  direct  digital  synthesizers.  The  problem  of  specifying 
the  DAC  is  not  solved  quite  so  easily. 

There  are  two  reasons  this  is  unlikely  to  change.  The  first 
has  been  explained,  and  is  simply  because  various  sys- 
tem applications  of  DDS  have  a  wide  range  of  dynamic 
requirements.  The  second  reason  involves  the  inconsis- 
tency of  DAC  performance  over  a  wide  frequency  range. 
It  is  the  combination  of  these  two  characteristics  that 
makes  it  so  difficult  to  specify  the  devices.  If  the  applica- 
tions requirements  were  narrowly  focused,  DAC  manu-  . 
facturers  would  simply  specify  the  devices  accordingly,  | 
and  ignore  the  inconsistency  in  performance. 

Alternatively,  if  the  DACs  performance  were  to  degrade 
in  some  predictable  fashion  (as  an  amplifier  might)  the 
manufacturer  could  supply  data  or  a  set  of  performance 
curves  that  would  allow  designers  to  predetermine  sys- 
tem performance.  As  it  stands,  the  manufacturer  does 
well  to  indicate  simply  that  the  part  is  intended  for  use  in 
DDS  applications,  and  to  supply  some  sample  data  to 
back  up  this  claim. 

Since  high  speed  DAC  manufacturers  are  often  unable  to 
specify  the  devices  adequately,  the  task  of  deciding 
whether  a  part  is  suitable  for  a  particular  DDS  system 
application  is  left  to  the  system  designer.  It  is  the  goal  of 
the  remainder  of  this  paper  to  explain  the  relevant  dc 
and  time  domain  specifications  of  the  DAC,  and  how 
they  can  be  related  to  frequency  domain  performance.  It 
will  become  clear  that  these  specifications  will  not  pro- 
vide all  the  necessary  information  to  predict  the  fre- 
quency domain  performance;  consequently,  some 
recommendations  on  how  to  characterize  the  DACs  for 
DDS  applications  are  also  presented. 

DAC  DC  SPECIFICATIONS 

Figure  7  illustrates  both  an  ideal  and  real  world  transfer 
function  for  a  3-bit  DAC.  Manufacturers  typically  specify 
offset,  gain  error  (full  scale  in  relation  to  reference). 
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differential  nonlinearity  (DNL),  and  integral  nonlinearity 
(INL)  as  an  approximation  of  this  transfer  function.  Out- 
put offset  is  usually  defined  as  a  constant  dc  offset  in  the 
transfer  curve,  and  therefore  has  no  effect  on  the  fre- 
quency domain  characteristics  of  the  output.  Gain  de- 
fines the  full-scale  output  of  the  converter  in  relation  to 
its  reference  circuit.  The  gain  error  is  usually  specified 
tightly  enough  so  there  is  little  concern  about  its  effect 
on  the  frequency  domain  performance. 
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Figure  7.  DAC  Transfer  Function 

The  linearity  specifications,  differential  nonlinearity 
(DNL)  and  integral  nonlinearity  (INL),  provide  useful  in- 
formation about  frequency  domain  performance.  DNL  is 
typically  measured  in  LSBs  as  the  worst  case  deviation 
from  an  ideal  LSB  step  between  adjacent  code  transi- 
tions, and  can  be  a  negative  (less  than  1  LSB  step)  or 
positive  (greater  than  1  LSB  step)  error.  DACs  with  a 
DNL  specification  of  <— 1  LSB  are  not  guaranteed  to  be 
monotonic.  Figure  7  illustrates  both  positive  and  nega- 
tive DNL  errors,  although  the  part  is  monotonic. 

Armed  with  the  DNL  error  of  each  code  transition,  a 
diligent  individual  could  predict  the  frequency  domain 
performance  of  an  individual  DACs  transfer  function. 
This  process  would  consist  of  modeling  the  digital  part 
of  a  DDS;  using  the  modeled  DDS  data  as  input  to  the 
DAC  transfer  function;  collecting  samples  of  the  simu- 
lated DAC  output  levels,  and  performing  a  Fourier  trans- 
form to  observe  frequency  domain  performance.  This 
process  would  have  to  be  repeated  for  every  ratio  of 
clock  to  analog  output  frequency.  While  this  might  be  an 
interesting  exercise,  it  is  not  a  realistic  way  of  selecting  a 
DAC. 


Manufacturers  usually  measure  DNL  for  each  code  tran- 
sition, but  specify  only  a  worst  case  error.  For  some 
applications  (analog  to  digital  converter  applications,  for 
example)  this  is  sufficient  to  predict  the  errors  contrib- 
uted by  the  DACs  transfer  function.  For  frequency  syn- 
thesis, however,  it  raises  some  interesting  questions. 
For  example,  all  other  things  equal,  will  a  DAC  with  a  1/2 
LSB  DNL  error  outperform  a  DAC  with  a  1  LSB  error  in 
the  frequency  domain? 

The  answer  is  not  obvious.  Theory  predicts  that  a  perfect 
DAC  generating  a  full-scale  sine  wave  will  have  an  rms 
signal  to  rms  noise  ratio  of  6.02N  -  1.76  dB1  over  the  full 
Nyquist  bandwidth  [ignoring  (sine  x)/x  rolloff2  where  N 
is  the  resolution  of  DAC].  A  perfect  12-bit  DAC  could 
therefore  provide  70.48  dB  of  SNR.  A  measurement  of 
the  DNL  error  would  predict  a  maximum  reduction  in 
this  performance;  for  example  a  12-bit  DAC  with  a  1  LSB 
DNL  error  (every  other  quantization  level  missing)  would 
have  a  minimum  SNR  of  64.46  [6.02  X  (11)  -  1.76]  dB  (if 
DNL  were  its  only  nonlinearity). 

This  reduction  in  SNR,  however,  does  not  predict  how 
the  distortion  is  spread  over  the  Nyquist  bandwidth.  If 
the  DNL  errors  caused  the  additional  noise  to  be  spread 
evenly  over  the  Nyquist  band,  their  effect  would  be  neg- 
ligible. However,  if  the  DNL  errors  concentrate  portions 
of  the  noise  into  a  single  frequency  (usually  a  harmonic) 
this  could  limit  the  SFDR. 

Getting  back  to  the  example,  if  the  1/2  LSB  device  has  its 
maximum  DNL  error  on  a  high  percentage  of  its  code 
transitions,  and  the  1  LSB  device  were  perfect  except  for 
a  single  code  transition,  then  the  1  LSB  part  would  have 
better  frequency  domain  characteristics.  It  is  obvious 
from  this  example  that  DNL  specifications  can  be  mis- 
leading if  not  interpreted  properly. 

INL  is  measured  as  the  worst  deviation  from  a  straight 
line  approximation  to  the  DACs  transfer  function.  The 
straight  line  approximation  eliminates  the  dc  errors 
(gain  and  offset)  which  have  already  been  discounted 
from  any  frequency  domain  effect.  In  Figure  7,  this 
straight  line  is  drawn  between  the  two  end  points.  The 
INL  characteristics  of  some  devices  are  measured 
against  a  "best  fit"  straight  line  through  the  converter's 
code  transitions.  Like  the  DNL  specification,  the  INL 
measurement  is  a  worst  case  deviation.  It  does  not  indi- 
cate how  many  DAC  codes  reach  this  deviation,  nor 
which  direction  away  from  the  best  straight  line  the 
deviation  occurred. 
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Figure  8  illustrates  how  this  specification  might  be  mis- 
interpreted. Each  of  the  illustrated  curves  represents  a 
transfer  function  that  would  have  the  same  INL  mea- 
surement, but  three  distinct  effects  in  the  frequency  do- 
main. For  example,  the  transfer  function  of  the  "bow" 
INL  curve  will  introduce  a  prominent  2nd  harmonic  dis- 
tortion, while  the  symmetrical  "S-curve"  will  tend  to 
introduce  3rd  harmonic  distortion. 
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It  is,  however,  possible  to  consider  what  contributes  to 
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Figure  8.  INL  Curves -All  1  LSB 

Most  IC  DAC  designs  recommended  for  use  in  frequency 
synthesis  exhibit  some  predictable  linearity  pattern,  with 
DNL  and  INL  errors  occurring  due  to  architectural  trade- 
offs and  matching  of  process  parameters.  This  pattern 
determines  how  the  DNL  and  INL  will  contribute  to  the 
overall  frequency  content  of  the  signal.  Because  the 
linearity  patterns  of  any  two  specific  DAC  designs 
will  be  different,  it  is  impossible  to  compare  their  fre- 
quency domain  performance  by  comparing  their  linear- 
ity specifications. 

Since  deviations  in  DNL  and  INL  will  probably  not  affect 
the  ac  characteristics  (glitch,  slew  rate,  etc.)  of  the  DAC, 
it  is  possible  to  characterize  the  effects  of  linearity  on 
frequency  domain  performance  for  a  specific  DAC.  This 
characterization  would  consist  of  selecting  units  that  ex- 
hibit good  DNL  and  INL  characteristics,  and  comparing 
their  frequency  domain  performance  with  parts  that  ex- 
hibit poor  linearity.  This  allows  designers  to  determine  if 
tighter  linearity  grades  of  a  specific  DAC  will  improve  a 
synthesizer's  performance. 

AC  TIME  DOMAIN  DAC  SPECIFICATIONS 

The  ac  time  domain  specifications  of  a  DAC  relate  to  its 
code-to-code  transitions  as  illustrated  in  Figure  9.  It  is 
difficult  to  predict  the  frequency  domain  effects  of  any  of 
these  specifications,  and  practically  impossible  to  pre- 
dict the  frequency  domain  effects  of  their  combinations. 
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Figure  9.  DAC  Transition 


The  effect  of  DAC  output  slew  rate  on  its  frequency 
domain  performance  is  not  as  straightforward  as  it  is  in 
linear  applications  due  to  the  presence  of  glitch  impulse 
and  settling  effects  (discussed  below).  In  general,  a  DAC 
with  a  high  slew  rate  will  produce  an  output  transition 
that  is  closer  to  ideal  than  one  which  is  slower.  Design- 
ers should  be  careful  to  consider  also  the  difference  in 
rising  and  falling  slew  rate,  as  this  will  tend  to  concen- 
trate energy  in  the  harmonics  of  the  fundamental  output 
frequency. 

Glitch  impulse,  often  considered  a  key  figure  of  merit  in 
DDS  applications,  is  simply  a  measure  of  the  initial  tran- 
sient response  (overshoot)  of  the  DAC  between  two  out- 
put levels.  It  is  usually  measured  as  the  area  of  the 
transient,  and  ranges  from  15  to  100  pV-s  for  devices 
commonly  used  in  DDS  applications.  This  transient  is 
commonly  associated  with  the  time  skew  between  the 
data  bit  transitions  or  by  unequal  propagation  delays 
through  the  internal  logic.  In  either  case,  the  time  skew 
would  cause  the  DAC's  output  to  approach  an  interme- 
diate state,  and  probably  add  unwanted  energy  to  the 
output  frequency  spectrum. 

DAC  architecture  has  a  strong  effect  on  the  magnitude  of 
the  glitch  impulse.  Architectures  employing  an  on-board 
register  for  data  deskew  and  propagation  delay  match- 
ing, along  with  a  segmentation  of  the  major  bits,  have 
the  lowest  glitch  impulse.  The  glitch  illustrated  in  Figure 
9  is  a  peak  glitch  interpretation.  Designers  are  warned 
that  not  all  manufacturers  define  glitch  impulse  in  the 
same  fashion,  and  comparison  of  data  specifications  is 
often  misleading. 


DIGITAL-TO-ANALOG  CONVERTERS  8-291 


Before  the  advent  of  monolithic  devices  which  minimize 
glitch  impulse  and  other  DAC  nonlinearities,  it  was  com- 
mon practice  to  "deglitch"  the  outputs  of  hybrid  con- 
verters using  a  track-and-hold  amplifier  (T/H).  The  idea  is 
to  place  the  T/H  in  "hold"  mode  during  the  DAC's  tran- 
sition to  a  new  value.  After  the  converter's  output  is 
settled  to  its  final  value,  the  T/H  is  allowed  to  return  to 
"track"  mode;  and  the  nonlinearities  of  the  T/H's  transi- 
tion to  the  newly  acquired  DAC  output  become  the  limit 
to  ac  performance. 

T/H  technology  has  been  predominantly  hybrid  technol- 
ogy, making  any  possible  improvement  in  performance 
a  costly  venture.  Although  the  transition  characteristics 
of  the  T/H  may  imply  that  deglitching  could  improve  the 
DAC,  overall  performance  may  actually  degrade  because 
of  limits  in  other  performance  characteristics  such  as 
slew  rate  and  absolute  accuracy.  More  recent  monolithic 
T/H  product  offerings  such  as  the  AD9101  125  MSPS 
sampling  amplifier  may  offer  marginal  improvement  in 
overall  ac  performance  at  a  reasonable  cost. 

After  the  initial  transient,  the  DAC's  output  will  settle  to 
its  final  value.  The  settling  time  is  usually  measured  as 
the  time  from  the  digital  inputs'  transitions  to  the  time 
the  DAC's  output  settles  to  within  a  certain  error  band 
(usually  1/2  or  1  LSB)  of  the  final  output  value.  Many 
manufacturers  understandably  argue  that  the  digital 
propagation  of  the  converter  should  not  be  included  in 
this  specification.  Settling  time  should  instead  be  mea- 
sured as  the  interval  from  the  time  when  the  DAC's 
output  leaves  the  error  band  around  its  initial  value,  and 
when  it  settles  within  the  error  band  around  its  final 
value.  This  definition  more  accurately  describes  the  non- 
ideal  characteristics  of  the  code  transition. 


loading  circuit.  Stray  capacitive  loading  generally  in- 
creases all  of  them.  Most  high  speed  DACs  are  current 
output  devices  and  require  an  external  load  resistor  to 
produce  an  output  voltage  reference.  Design  of  the  final 
DDS  circuit  should  pay  close  attention  to  the  DAC  load, 
with  signal  traces  kept  short  as  possible,  and/or  with 
impedance  matching  techniques  being  used. 

Feedthrough  of  the  clock  or  data  transitions  to  the  DAC's 
output  also  adds  to  the  frequency  content  of  the  DDS's 
output  spectrum.  These  effects  are  often  related  to  the 
test  circuit  layout  and  can  be  minimized  with  good  cir- 
cuit layout  techniques.  Many  DAC  manufacturers  sug- 
gest the  use  of  a  series  resistor  in  the  input  data 
connections  to  minimize  data  feedthrough.  This  series 
resistance  works  with  the  input  capacitance  of  the  DAC 
to  form  a  low  pass  filter,  and  may  alter  the  setup  and 
hold  characteristics  of  the  device.  This  technique  is  not 
recommended  on  the  clock  connection  as  it  will  tend  to 


add  jitter  (phase  noise). 


Theoretically  relating  the  ac  time  domain  characteristics 
of  a  DAC  to  its  frequency  domain  performance  is  not 
feasible,  nor  recommended.  One  simple  observation 
about  the  ac  nonlinearities  is  possible:  they  become  a 
more  significant  portion  of  each  clock  cycle  as  the  clock 
or  analog  output  frequency  of  a  DDS  system  increases. 
Consequently,  one  can  expect  the  spurious  frequency 
content  of  the  DAC  to  degrade  at  higher  frequencies. 
Many  DDS  designs  will  operate  well  below  the  maxi- 
mum clock  frequency  of  the  DAC  to  get  optimum  perfor- 
mance, and  translate  the  output  to  a  higher  frequency 
using  analog  techniques  (mixers). 


Slew  rate,  glitch  impulse,  and  settling  time  characteris- 
tics of  a  DAC's  output  are  all  dependent  on  the  output 


TTL  CLOCK 
REFERENCE 


GENERATOR 


CLOCK 
CIRCUIT 


STANDARD 
PRINTER 
CABLE 


100  MHz 
CMOS  DDS 


■ 


POWER 
SUPPLY 
INTERFACE 


AD9713B 

OR 
AD9721 
DAC 


AD9955  DDS  EVALUATION  BOARD 


EXTERNAL 
POWER 
SUPPLY 


IBM-COMPATIBLE  PC 


□  □  □ 
□ 

0 


nnauO 


SPECTRUM  ANALYZER 


Figure  10.  AD9955/PCB  DDS  Evaluation  Board  Setup 
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This  degradation  at  higher  clock  rates,  however,  may  not 
be  the  dominant  effect  in  output  spectral  purity.  Instead, 
for  any  given  bandwidth  of  interest,  the  frequency  do- 
main performance  may  vary  as  the  ratio  of  the  clock  to 
analog  frequency  changes.  Spurious  distortion  will  tend 
to  appear  in  the  output  spectrum  at  alias  frequencies, 
Afa  ±  Bfc,  where  A  and  B  are  integers.  The  effects  of 
these  aliased  components  are  concentrated  near  the 
fundamental  frequency  when  the  fundamental  output 
frequency  is  nearly  an  integer  fraction  of  the  clock  fre- 
quency. Designs  that  cover  wide  analog  output  band- 
widths  may  find  it  hard  to  avoid  this  effect  even  at  low 
clock  rates,  while  narrow  bandwidth  applications  may 
be  able  to  find  a  particularly  "clean"  segment  of  output 
spectrum  that  allows  taking  advantage  of  the  higher 
clock  rates.  This  would  require  careful  characterization 
of  the  DAC  for  the  bandwidth  of  interest. 

While  the  ac  specifications  of  the  DAC  will  not  allow 
accurate  predictions  of  the  output  spectral  purity,  these 
specifications  are  recommended  as  guidelines  for  deter- 
mining if  the  DAC  is  worthy  of  being  characterized  for 
use  in  a  DDS  application.  Devices  that  exhibit  high  slew 
rate,  low  glitch  and  feedthrough,  and  fast  settling  times 
should  be  considered  first.  Once  the  decision  has  been 
made  to  characterize,  these  time  domain  specifications 
are  also  useful  as  a  guideline  to  determine  if  the  DAC 
has  been  optimized  in  the  test  fixture.  A  block  diagram 
of  how  this  test  is  performed  is  illustrated  in  Figure  10. 

The  power  supplies  should  be  the  linear  (nonswitching) 
type  if  possible,  and  appropriate  filtering  needs  to  be 
included  in  the  circuit  to  reduce  noise  to  a  minimum.  For 
the  purposes  of  evaluation,  separate  digital  and  analog 
supplies  should  be  used  as  recommended  by  the  DAC 
manufacturer.  Once  the  characterization  is  complete,  the 
designer  can  explore  how  combining  digital  and  analog 
supplies  would  affect  the  spectral  purity  of  the  DDS. 

The  external  controlling  circuits  should  allow  complete 
access  to  all  digital  circuitry.  This  may  not  seem  appro- 
priate if  all  of  the  features  are  not  required  in  the  final 
application,  but  may  simplify  the  characterization  pro- 
cess and  allow  the  test  set  to  be  used  in  future  design 
phases.  The  clock  distribution  is  usually  generated  by  an 
instrument  during  characterization,  allowing  a  wide 
range  of  reference  frequencies.  The  clock  distribution 
circuit  serves  to  buffer  the  incoming  reference  and  sets 
up  the  appropriate  timing  between  the  digital  part  of  the 
DDS  and  the  DAC.  The  important  specifications  here  are 
the  DAC's  input  data  setup  and  hold  times.  Even  a  slight 
violation  of  these  specifications  can  cause  an  increase  in 
glitch  impulse  if  the  latch  is  transparent,  or  capture  of 
erroneous  data  if  the  latch  is  edge  triggered. 


Once  the  test  set  is  constructed,  functionality  must  be 
verified.  This  is  most  easily  accomplished  with  a  rela- 
tively slow  clock  rate.  Checking  functionality  includes 
investigating  the  stability  and  level  of  the  power  sup- 
plies (at  many  points  in  the  circuit),  operation  of  the 
digital  section  of  the  DDS,  stability  of  the  DAC  reference 
circuit,  and  the  timing  relationships  at  the  DAC  interface. 
The  output  of  the  DAC  should  be  analyzed  in  the  time 
domain  to  verify  that  the  DAC  is  meeting  the  ac  charac- 
teristics specified  in  the  data  sheet.  If  they  are  signifi- 
cantly different,  the  differences  must  be  resolved. 

After  the  circuit  is  functioning  properly,  the  DAC  can  be 
characterized  for  its  frequency  domain  performance. 
There  are  two  approaches  that  can  be  taken:  to  charac- 
terize the  part  in  general,  or  to  characterize  for  a  partic- 
ular application. 

To  characterize  the  part  for  general  use,  a  matrix  of 
conditions  is  suggested.  A  maximum  usable  clock  rate 
can  be  identified  from  the  data  sheet.  The  converter 
should  be  tested  at  several  clock  frequencies  over  the 
entire  range.  For  example,  a  DAC  billed  as  a  50  MSPS 
converter  might  be  tested  for  clock  rates  of  2,  5,  10,  20, 
35,  and  50  MSPS.  At  each  of  these  clock  rates,  the  SFDR 
of  the  output  should  be  characterized  using  a  spectrum 
analyzer  for  several  clock  to  analog  output  frequency 
ratios. 

Determination  of  these  ratios  is  a  subject  of  debate,  but 
the  following  selections  would  give  a  decent  under- 
standing of  performance: 

1.  A  low  ratio  of  «-1/T0  fc,  to  determine  the  performance 
for  the  given  clock  frequency,  and 

2.  Ratios  of  1/3  f0  ±  Af  and  1/4  fc  ±  Af  to  analyze  the  level 
of  spurious  frequency  energy  at  alias  frequencies. 

For  each  of  the  three  analog  selections,  the  characteriza- 
tion of  the  spectrum  will  consist  of  two  parts.  The  first 
considers  performance  across  the  entire  Nyquist  band, 
or  a  reasonable  section  of  it.  The  second  considers  a 
narrow  band  around  the  fundamental  to  look  for  unal- 
terable spurious  distortion.  This  process  can  become 
quite  time  consuming  because  of  the  time  required  for 
broadband,  high  dynamic  range  sweeps  of  the  analyzer. 
A  sample  of  data  characterizing  a  prototype  of  the 
AD9721,  a  10-bit,  100  MSPS  TTL  converter  is  shown  in 
Figure  11. 
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Once  this  general  characterization  is  complete,  some 
limited  conclusions  about  the  DAC  can  be  made.  For 
instance,  in  the  worst  case,  the  part  may  exhibit  poor 
performance  across  the  test  matrix;  and  the  device 
could  be  disqualified  from  any  further  consideration. 
Encouraging  results  might  indicate  that  the  device  pro- 
vides enough  SFDR  for  the  application  of  interest. 

If  so,  the  application  specific  characterization  process 
begins.  This  would  consist  of  developing  a  frequency 
plan  to  use  the  DAC  to  generate  an  IF  band  to  be  used  in 
the  system.  Characterization  of  the  DAC  would  focus  on 
determining  the  clock  rate  which  could  give  the  best 
performance  in  this  band. 


CONCLUSION 

This  application  note  has  explored  the  architecture  and 
advantages  of  DDS,  and  pointed  out  that  the 
performance-limiting  block  is  the  DAC.  It  should  be  clear 
from  the  discussion  that  frequency  domain  performance 
cannot  be  accurately  predicted  from  device  specifica- 
tions such  as  linearity,  glitch  impulse,  slew  rate,  and 
settling  time.  Instead,  testing  is  required  to  characterize 
the  spurious  free  dynamic  range  of  a  converter  for  a 
range  of  clock  and  analog  frequencies.  A  suggested 
method  of  characterizing  the  DAC  was  also  discussed. 
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Digital  Signal  Processing  Techniques 


Digital  Filtering 

Real-time  digital  filtering  is  one  of  the 
most  powerful  tools  of  DSP.  Apart  from  the 
obvious  advantages  of  virtually  eliminating 
errors  in  the  filter  associated  with  passive 
component  fluctuations  over  time  and  tem- 
perature, op  amp  drift  (active  filters),  etc., 
digital  filters  are  capable  of  performance 
specifications  that  would,  at  best,  be  ex- 
tremely difficult,  if  not  impossible,  to  achieve 
with  an  analog  implementation.  In  addition, 
the  characteristics  of  a  digital  filter  can  be 
easily  changed  under  software  control. 
Therefore,  they  are  widely  used  in  adaptive- 
filtering  applications  such  as  modems,  digital 
audio,  digital  mobile  radio,  and  speech  proc- 
essing. 

The  actual  procedure  for  designing  digital 
filters  has  the  same  fundamental  elements  as 
that  for  analog  filters.  First,  the  desired 
filter  responses  are  characterized  and  the 
filter  parameters  are  then  calculated.  Char- 
acteristics such  as  transfer  function  and 
phase  response  are  used  in  the  same  way. 
The  key  difference  between  analog  and 
digital  filters  is  that  instead  of  calculating 
resistor,  capacitor,  and  inductor  values  for  an 
analog  filter,  coefficient  values  are  calculated 
for  a  digital  filter.  So  for  the  digital  filter, 
numbers  replace  the  physical  resistor  and 
capacitor  components  of  the  analog  filter. 
These  numbers  reside  in  a  memory  as  filter 
coefficients  and  are  used  along  with  data 
values  from  the  ADC  in  performing  the 
filtering  calculations. 

The  digital  filter,  because  it  is  a  discrete 
function,  works  with  digitized  data  as  op- 
posed to  a  continuous  waveform,  and  a  data 
point  is  acquired  each  sampling  period. 
Because  of  this  discrete  nature,  we  can 


reference  data  samples  by  numbers  such  as 
sample  1,  sample  2,  sample  3,  etc.  Figure 
7.1,  illustrating  the  basic  filtering  function, 
shows  a  low  frequency  signal  containing 
higher  frequency  noise  which  must  be  fil- 
tered out.  This  waveform  must  be  digitized 
with  an  ADC  to  produce  samples  x(n).  These 
data  values  are  fed  to  the  digital  filter,  which 
in  this  case  is  a  lowpass  filter.  The  output 
data  samples,  y(n),  are  used  to  reconstruct 
an  analog  waveform  using  a  DAC. 

DIGITAL  FILTERING 


Figure  7.1 

Digital  filters,  however,  are  not  the  an- 
swer to  all  signal  processing  filtering  require- 
ments. In  order  to  maintain  real-time  opera- 
tion, the  DSP  processor  must  be  able  to 
execute  all  the  steps  in  the  filter  routine 
within  one  sampling  clock  period,  1/f .  This 
currently  limits  their  use  to  primarily  voice 
and  audio  bandwidth  applications.  However, 
it  is  possible  to  sacrifice  software  control  and 
flexibility,  and  design  special  hardware 
digital  filters  which  will  operate  at  video- 
speed  sampling  rates.   In  other  cases,  the 
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speed  limitations  can  be  overcome  by  first 
storing  the  high  speed  ADC  data  in  a  buffer 
memory.  The  buffer  memory  is  then  read  at 
a  rate  which  is  compatible  with  the  speed  of 
the  DSP-based  digital  filter.  In  this  manner, 
pseudo  real-time  operation  can  be  main- 
tained as  in  a  radar  system,  where  signal 
processing  is  typically  done  on  bursts  of  data 
collected  after  each  transmitted  pulse.  Even 
in  highly  oversampled  sampled  data  systems, 
a  simple  analog  antialiasing  filter  is  usually 
required  ahead  of  the  ADC  and  after  the 
DAC.  Finally,  as  signal  frequencies  increase 
sufficiently,  they  surpass  the  capabilities  of 
available  ADCs,  and  digital  filtering  then 
becomes  impossible,  since  we  no  longer  have 
a  sampled  data  system  because  we  have  no 
ADC.  Active  analog  filtering  is  not  even 
possible  at  extremely  high  frequencies  be- 
cause of  op  amp  bandwidth  and  distortion 
limitations,  and  filtering  requirements  must 
then  be  met  using  purely  passive  compo- 
nents. The  primary  focus  of  the  following 
discussions  will  be  on  filters  which  can  run  in 
realtime  under  DSP  program  control. 

DIGITAL  FILTERING  ADVANTAGES 


Finite  Impulse  Response  (FIR)  Digital  Filters 

The  simplest  form  of  a  digital  filter  is  the 
finite  impulse  response  filter  (FIR),  and  the 
most  elementary  form  of  an  FIR  filter  is  a 
moving  average  filter  as  shown  in  Figure  7.4, 

SIMPLE  MOVING  AVERAGE  FIR  FILTER 
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■  High  Accuracy 

■  High  Performance 

■  Linear  Phase,  Constant  Group  Delay 
(FIR  Filters) 

■  No  Drift  Due  to  Component  Variations 

■  Flexibility,  Adaptive  Filtering  Possible 


■  Easy  to  Simulate  and  Design 


Figure  7.2 


DIGITAL  FILTERING  LIMITATIONS 

■  Computation  Must  be  Completed  in 
Sampling  Period 

■  Limited  to  Voice  and  Audio  Bandwidth 
Signals  if  Real-Time  Operation  is  to  be 
Maintained 

■  Hardwired  Digital  Filters  Required  for 
Video  Frequencies 

■  Analog  Filters  Still  Needed:  Antialiasing 
and  High  Frequencies 

■  Lack  of  High  Speed  ADCs  for  Sampling 

Figure  7.3 
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Figure  7.4 


where  we  show  a  7-day  moving  average  of  a 
dieter's  weight  plotted  along  with  the  daily 
weights.  After  7  days  worth  of  data  samples 
are  obtained,  the  first  point  on  the  moving 
average  is  computed  by  adding  the  7  data 
samples  together  and  dividing  by  7.  Another 
way  to  view  the  process  is  to  weight  each 
data  sample  by  a  factor  of  1/7  and  perform  a 
summation.  To  obtain  the  second  point  on 
the  moving  average,  the  first  weighted  data 
sample  is  subtracted  from  the  summation, 
and  the  8th  weighted  data  sample  is  added 
to  the  summation.  This  process  continues, 
and  can  be  viewed  as  a  very  crude  lowpass 
filtering  of  the  daily  readings.  The  digital 
implementation  of  the  process  is  shown  in 
Figure  7.5  which  shows  the  various  multipli- 
cations, delays,  and  the  summation.  The 
Finite  Impulse  Response  (FIR)  filter  gets  its 


DIGITAL  FORM  OF  FIR  FILTER 
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Figure  7.5 
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name  because  the  impulse  response  is  of 
finite  duration;  i.e.,  after  seven  zero- valued 
input  samples,  the  filter  output  goes  to  zero. 
When  processing  an  actual  electrical  signal, 
a  moving  average  might  look  like  Figure  7.6. 

MOVING  AVERAGE  FIR  FILTER  APPLIED  TO 
ANALOG  SIGNAL 
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Figure  7.6 


It  is  useful  from  a  mathematical  standpoint 
to  view  the  moving  average  filter  as  a 
convolution  of  the  filter  impulse  response  h(t) 
with  the  sampled  data  points  x(t)  to  obtain 
the  output  y(t)  as  shown  in  Figure  7.7.  For  a 
linear  convolution,  the  operation  involves 
multiplying  x(t)  by  a  reversed  an  linearly 
shifted  version  of  h(t),  and  then  summing  the 
values  in  the  product. 

MOVING  AVERAGE  COEFFICIENTS 
CONVOLVED  WITH  SAMPLED  WAVEFORM 
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Figure 


7.7 


The  sin(x)/x  frequency  response  of  the 
moving  average  filter  is  shown  in  Figure  7.8 
for  various  numbers  of  taps,  N.  (Note:  in 
this  section  N  refers  to  the  number  of  sample 
points  and  not  the  number  of  bits  of  resolu- 
tion of  an  ADC  or  DAC!).  Note  that  increas- 
ing the  number  of  taps  sharpens  the  rolloff 
characteristic  of  the  moving  average  filter 
but  does  nothing  to  improve  the  undesirable 
sidelobes. 

It  is  possible  to  dramatically  improve  the 
performance  of  the  simple  FIR  moving  aver- 
age filter  by  properly  selecting  the  individual 
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weights  or  coefficients  rather  than  giving 
them  equal  weight.  The  sharpness  of  the 
rolloff  can  be  improved  by  adding  more 
stages  (taps),  and  the  stopband  attenuation 
characteristics  can  be  improved  by  properly 
selecting  the  filter  coefficients.  The  essence 
of  FIR  filter  design  is  the  appropriate  selec- 
tion of  the  filter  coefficients  and  the  number 
of  taps  to  realize  the  desired  transfer  func- 
tion H(f).  Various  algorithms  are  available  to 
translate  the  frequency  response  H(f)  into  a 
set  of  FIR  coefficients.  Most  of  this  software 
is  commercially  available  and  can  be  run  on 
PCs.  The  key  theorem  of  FIR  filter  design  is 
that  the  coefficients  h(n)  of  the  FIR  filter  are 
simply  the  quantized  values  of  the  impulse 
response  of  the  frequency  transfer  function 
H(f).  Conversely,  the  impulse  response  is  the 
Fourier  Transform  of  H(f). 


FACTORS  DETERMINING  FIR 
FILTER  TRANSFER  FUNCTION  H(f) 

■  Number  of  Taps 

■  Proper  Selection  of  Weighted  Filter 
Coefficients 
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The  Duality  of  the  Time  and  Frequency  Domains 

It  is  useful  to  digress  for  a  moment  and 
examine  the  relationship  between  the  time 
domain  and  the  frequency  domain  to  better 
understand  the  principles  behind  digital 
filters  such  as  the  FIR  filter.  In  a  sampled 
data  system,  a  convolution  operation  can  be 
carried  out  by  performing  a  series  of  multipli- 
cations and  accumulations.  The  convolution 
operation  in  the  time  or  frequency  domain  is 
equivalent  to  point  by  point  multiplication  in 
the  opposite  domain.  For  example,  convolu- 
tion in  the  time  domain  is  equivalent  to 
multiplication  in  the  frequency  domain.  This 
is  shown  graphically  in  Figure  7.10.  It  can  be 
seen  that  filtering  in  the  frequency  domain 
can  be  accomplished  by  multiplying  all 
frequency  components  in  the  passband  by  a  1 
and  all  frequencies  in  the  stopband  by  0. 
Conversely,  convolution  in  the  frequency 
domain  is  equivalent  to  point  by  point  multi- 
plication in  the  time  domain. 

DUALITY  OF  TIME  AND  FREQUENCY 
FOURIER  TRANSFORM 


Time  Domain 
(Convolution) 


Frequency 
Domain 


INPUT 


FILTER 
RESPONSE 


OUTPUT 


(Multiplication) 

yflT 

my  Jill 

i 

B 

Figure  7.10 

The  transfer  function  in  the  frequency 
domain  (either  a  1  or  a  0)  can  be  translated 
to  the  time  domain  by  the  Fourier  transform. 
This  transformation  produces  an  impulse 
response  in  the  time  domain.  Since  the 
multiplication  in  the  frequency  domain 
(signal  spectrum  times  the  transfer  function) 
is  equivalent  to  convolution  in  the  time 
domain  (signal  convolved  with  impulse 
response),  the  signal  can  be  filtered  by  con- 
volving it  with  the  impulse  response.  The 
FIR  filter  is  exactly  this  process.  Since  it  is  a 


sampled  data  system,  the  signal  and  the 
impulse  response  are  quantized  in  time  and 
amplitude  yielding  discrete  samples.  The 
discrete  samples  comprising  the  impulse 
response  are  the  FIR  filter  coefficients. 

The  mathematics  involved  in  filter  design 
(analog  or  digital)  most  always  make  use  of 
transforms.  In  continuous-time  systems,  the 
Laplace  transform  can  be  considered  to  be  a 
generalization  of  the  Fourier  Transform.  In 
a  similar  manner,  it  is  possible  to  generalize 
the  Fourier  transform  for  discrete-time 
sampled  data  systems,  resulting  in  what  is 
commonly  referred  to  as  the  z-transform. 
Details  describing  the  use  of  the  z-transform 
in  digital  filter  design  are  given  in  References 
1,  2,  and  3. 

FIR  Filter  Implementation  in  DSP 
Hardware  Using  Circular  Buffering 


As  has  been  discussed,  an  FIR  filter 
(shown  in  Figure  7.11  must  perform  the 
following  convolution  equation: 

m 


y(n)  =  h(n)*x(n) . 


£h£i)x(n-i) 


where  h(i)  is  the  filter  coefficient  array  and 
x(n-i)  is  the  input  data  array  to  the  filter. 
The  number  N,  in  the  equation,  represents 
the  number  of  taps  of  the  filter  and  relates  to 
the  filter  performance  as  has  been  discussed 
above. 

DIRECT  FORM  FIR  FILTER 


In  the  series  of  FIR  filter  equations,  the  N 
coefficient  locations  are  always  accessed  se- 
quentially from  h(0)  to  h(N-l).  The  associ- 
ated data  points  circulate  through  the  mem- 
ory; new  samples  are  added  replacing  the 
oldest  each  time  a  filter  output  is  computed. 
A  fixed  boundary  RAM  can  be  used  to 
achieve  this  circulating  buffer  effect  as 
shown  in  Figure  7.12  for  a  4  tap  FIR  filter. 
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DATA  MEMORY  ADDRESSING 
FOR  4  TAP  FIR  FILTER 

y(n)  =  h(n)  •  x(n)  =  £'  h(i)  x(n-i) 

ho 

Memory 

Location  Read 


FIR  Filter  Design  Techniques 


Write 


Read.  Write 
-  x(4)  v 
x(l)  x(5) 
x(2) 
x(3) 


Re 
x(4) 
x(5) 
x(2) 
x(3) 


y(3)= 

y(4)= 


h(0)x(3)+  h(l)x(2)+  h(2)x(l)+  h(3)x(0) 
h(0)x(4)+  h(l)x(3)+  h(2)x(2)+  h(3)x(l) 


y(5)=  h(0)x(5)  +  h(l)x(4)  +  h(2)x(3)  +  h(3)x(2) 

Figure  7.12 

The  oldest  data  sample  is  replaced  by  the 
newest  after  each  convolution.  A  "time 
history"  of  the  four  most  recent  data  samples 
is  kept  in  RAM. 

This  delay  line  can  be  implemented  in 
fixed  boundary  RAM  in  a  DSP  chip  if  new 
data  values  are  written  into  memory,  over- 
writing the  oldest  value.  To  facilitate  mem- 
ory addressing,  old  data  values  are  read  from 
memory  starting  with  the  value  one  location 
after  the  value  that  was  just  written.  For 
example,  x(4)  is  written  into  memory  location 
0,  and  data  values  are  then  read  from  loca- 
tions l,2,3,and  0.  This  example  can  be 
expanded  to  accommodate  any  number  of 
taps.  By  addressing  data  memory  locations 
in  this  manner,  the  address  generator  need 
only  supply  sequential  addresses  regardless 
of  whether  the  operation  is  a  memory  read  or 
write.  This  data  memory  buffer  is  called 
circular  because  when  the  last  location  is 
reached,  the  memory  pointer  must  be  reset  to 
the  beginning  of  the  buffer. 

The  coefficients  are  fetched  simultane- 
ously with  the  data.  Due  to  the  addressing 
scheme  chosen,  the  oldest  data  sample  is 
fetched  first.  Therefore,  the  last  coefficient 
must  be  fetched  first.  The  coefficients  can  be 
stored  backwards  in  memory:  h(N-l)  is  the 
first  location,  and  h(0)  is  the  last,  with  the 
address  generator  providing  incremental 
addresses.  Alternatively,  coefficients  can  be 
stored  in  a  normal  manner  with  the  access- 
ing of  coefficients  starting  at  the  end  of  the 
buffer,  and  the  address  generator  being 
decremented.  In  the  example  shown  in 
Figure  7.12,  the  coefficients  are  stored  in  a 
reverse  manner. 


FIR  filter  design  calls  for  specifying  a 
finite  set  of  N  coefficients,  h(n),  to  approxi- 
mate an  idealized  filter  form.  The  filter 
coefficients,  h(n),  in  the  time  domain  corre- 
spond to  the  impulse  response  of  the  filter 
transfer  function  H(f). 

KEY  FIR  FILTER  DESIGN  THEOREM 

■  The  Coefficients  h(n)  of  an  FIR  Filter  are 
Simply  the  Quantized  Values  of  the 
Impulse  Response  of  the  Frequency 
Transfer  Function  H(f) 

■  The  Impulse  Response  is  Calculated  by 
Taking  the  Fourier  Transform  of  H(f) 

Figure  7.13 

In  Figure  7.14,  2nd,  4th,  and  6th-order 
ideal  Chebyshev  lowpass  filter  transfer 
functions,  optimized  for  ldB  in-band  ripple, 
are  compared  with  a  91-tap  (i.e.,  91  coeffi- 
cients and  91  sequential  circular  buffer 
memory  locations)  digital  FIR  filter  opti- 
mized for  0.002dB  passband  ripple.  There  is 
no  practical  analog  equivalent;  this  is  higher 
order  than  is  realistic  with  analog  hardware 
(greater  than  70  poles  using  rule-or-thumb 
approximation).  Since  the  response  is  flatter 
within  the  passband,  the  signal  is  reproduced 
more  faithfullv.  and  nhase  distortion  in  the 
passband  is  negligible,  since  all  frequencies 
are  delayed  equally  by  the  filter.  This  is  an- 
other important  characteristic  of  FIR  filters 
(linear  phase  response  and  constant  group 
delay)  which  makes  them  extremely  attrac- 
tive to  digital  audio  applications. 

91  TAP  FIR  FILTER  RESPONSE  COMPARED 
TO  CHEBYSHEV  ANALOG  FILTER  RESPONSE 


PASSBAND 
CUTOFF  FREQUENCY 
O.D5f. 


Figure  7.14 
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If  the  91- tap  FIR  filter  shown  in  Figure 
7.14  is  implemented  in  the  ADSP-2101 
microcomputer,  each  tap  requires  one  proces- 
sor cycle  (80ns).  The  total  processing  time  is 
therefore  7.3us.  This  implies  that  sampling 
rates  of  up  to  about  136kHz  can  be  achieved 
and  still  maintain  real-time  operation. 

91  TAP  FIR  FILTER 
PERFORMANCE  CHARACTERISTICS 

■  0.002dB  Passband  Ripple 

■  Linear  Phase 

■  80dB  Stopband  Attenuation 

■  136kHz  Sampling  Rate  Possible  with 
ADSP-2101  Processor  (80ns  Cycle  Time 
per  Filter  Tap) 

■  No  Analog  Equivalent!  (70  poles  Required!) 

Figure  7.15 


FIR  FILTER  DESIGN 
CAD  PROGRAM  INPUTS 

■  Passband 

■  Passband  Ripple 

■  Stopband 

■  Stopband  Attenuation 

■  Wordlength,  i.e.,  16  Bit  Fixed-Point 

Figure  7.17 

A  plot  of  the  frequency  response,  H(f), 
along  with  the  impulse  response  and  the 
step-function  response  is  also  available  as  an 
output.  If  the  response  characteristics  are 
satisfactory,  the  filter  coefficients  can  then  be 
downloaded  into  the  DSP  processor.  The 
CAD  program  can  also  simulate  the  effects  of 
finite  word-length  (i.e.,  performing  calcula- 
tions in  16  bit  fixed  point  arithmetic)  on  the 
transfer  function. 


FIR  Filter  Design  Using  CAD  Techniques 

In  actual  practice,  the  concepts  presented 
in  the  above  discussions  have  been  imple- 
mented in  easy  to  use  CAD  programs  which 
can  be  run  on  most  PCs.  It  is  only  necessary 
to  specify  the  desired  FIR  filter  characteris- 
tics (sampling  frequency,  passband  frequency, 
stopband  frequency,  passband  ripple,  and 
stopband  attenuation)  as  shown  in  Figure 
7.16.  The  CAD  program  calculates  the 
number  of  filter  taps  required  (N),  the  im- 
pulse response,  and  the  filter  coefficients. 

KEY  FILTER  DESIGN  PARAMETERS 


STOPBAND 
ATTENUATION 


PASSBAND 
RIPPLE 
AMAX 

3dB  POINT 
OR 

CUTOFF  FREQUENCY 

r. 


/ 


STOPBAND 
FREQUENCY 


TRANSITION 
BAND 


FIR  FILTER  DESIGN 
CAD  PROGRAM  OUTPUTS 

■  Frequency  Response  Plot  Showing 
Effects  of  Finite  Wordlength  Arithmetic 

■  Impulse  Response  Plot 

■  Step  Function  Response 

■  Number  of  Taps  Required 

■  Filter  Coefficients 

Figure  7.18 

Other  algorithms  have  been  developed  for 
CAD  filter  designs  which  optimize  the  filter 
performance  for  various  characteristics.  An 
example  is  the  Parks  and  McClellan  program 
(see  Reference  1)  which  minimizes  the  maxi- 
mum errors  between  the  desired  characteris- 
tic and  the  actual  characteristic  by  using  the 
Remez  exchange  algorithm  from  approxima- 
tion theory. 


Design  Example  for  an  FIR  Digital 
Audio] 


Figure  7.16 


For  this  example,  we  will  design  an  audio 
lowpass  filter  that  is  designed  to  operate  at  a 
sampling  rate  of  44.1kHz  (standard  for  CD 
players).  The  program  is  available  from  Mo- 
mentum Data  Systems,  Incorporated  (Refer- 
ence 5).  The  program  is  menu-driven  and 
IBM  PC  compatible.  The  filter  will  be  imple- 
mented as  a  Direct  Form  FIR  as  shown  in 
Figure  7.19. 
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DIRECT  FORM  FIR  FILTER 


x(n-N»2)  <(n-N»1| 


Input 


Output 


N-l 

ytn)=X  h(m|x{n-m) 


Figure  7.19 

First,  we  select  the  type  of  filter  to  be 
designed  from  among  the  Main  Menu  shown 
in  Figure  7.20.  We  choose  the  Equiripple 
FIR  Design  (Parks-McClellan) 

FILTER  DESIGN  AND  ANALYSIS  SYSTEM 
MAIN  MENU  (Screen  1) 

■  MR  Filter  Design 

■  FIR  Filter  Design  With  Windows 

■  Equiripple  FIR  Design  (Parks-McClellan) 

■  Read  Filter  Specification  File 

■  System  Analysis  (Z  Domain  Input) 

■  System  Analysis  (s  Domain  Input) 

■  Read  System  Analysis  Input  File 

■  Set  System  Defaults 

■  Exit  to  DOS 

Figure  7.20 

The  second  screen  then  appears  as  shown 
in  Figure  7.21.  This  screen  is  used  to  select 
the  type  of  FIR  filter  (lowpass,  highpass, 
bandpass,  etc.)  as  well  as  specify  the  mode 
for  frequency,  gain,  and  whether  sin(x)/x 
compensation  is  to  be  used. 

FINITE  IMPULSE  RESPONSE 
FILTER  DESIGN  MENU  (Screen  2) 

Filter  Type:  1  -  Lowpass 

2  -  Highpass 

3  -  Bandpass 

4  -  Bandstop 

5  -  Differentiator 

6  -  Multiband 

Frequency  Mode:       H  -  Hertz 

R  -  Radians/Second 


Gain  Specification 
Mode: 


1  -  Maximum  Gain  1.0 

2  -  Nominal  Gain  1.0 


The  next  screen  appears  as  shown  in 
Figure  7.22  where  we  enter  the  sampling 
rate,  the  band  edges,  and  specifications  for 
the  passband  ripple  and  stopband  attenu- 
ation. The  example  we  have  chosen  is  a 
lowpass  filter  with  a  cutoff  frequency  of 
18kHz. 

FIR  FILTER  DESIGN 
LOWPASS  FILTER  (Screen  3) 

Sampling  Frequency:  44100.0 
Passband  Frequency:  18000.0 
Stopband  Frequency:  21000.0 

Passband  Ripple:  1.00000E-02 


Stopband  Ripple: 
(Attenuation) 


96dB 


Figure  7.22 


Filter  Compensation:  Enter  X  to  Select 
Figure  7.21 


The  program  will  then  calculate  the 
required  filter  coefficients.  When  this  calcu- 
lation is  complete,  the  screen  shown  in 
Figure  7.23  appears  which  lets  us  know  the 
number  of  coefficients  (taps)  required  to 
implement  the  filter.  If  the  number  of  taps  is 
compatible  with  the  throughput  of  the  DSP 
processor  and  the  sampling  rate,  the  user 
allows  the  program  to  proceed. 


FIR  DESIGN  EXAMPLE  (Screen  4) 
Estimated  Number  of  Taps  of  FIR  Filter:  69 
Enter  Number  of  Taps  Desired:  69 

Figure  7.23 

If  the  69-tap  FIR  filter  is  implemented  in 
theADSP-2101  microcomputer,  each  tap 
requires  one  processor  cycle  (80ns).  The  total 
processing  time  is  therefore  5.5us.  This 
implies  that  sampling  rates  up  to  about 
182kHz  can  be  achieved  and  still  maintain 
real-time  operation. 

ADSP-2101  PROCESSOR  TIME 
FOR  69  TAP  FIR  FILTER 

■  80ns  (One  Processor  Cycle)  per  Tap 

■  69  Taps 
5.5ns  Processor  Time  (80ns  x  69) 

:  Sampling  Rate  for  Real-Time 

Figure  7.24 
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The  next  step  shown  in  Figure  7.25  is  to 
quantize  the  coefficients  to  the  correct  num- 
ber of  bits  so  that  the  coefficients  are  compat- 
ible with  the  DSP  processor  being  used.  In 
this  example,  the  ADSP-2101  is  to  be  used. 
It  is  a  16  bit  fixed  point  machine,  so  the 
coefficients  are  quantized  to  16  bits. 

FIR  DESIGN  EXAMPLE  (Screen  5) 

Select  the  Desired  Number  of  Bits 
for  Quantization 

Number  of  Bits  (8  to  32):  16 
Figure  7.25 


in  Figure  7.28).  It  should  be  clear  that  this 
filter  has  no  analog  counterpart.  The  rule  of 
thumb  for  calculating  the  required  number  of 
poles  of  an  analog  filter  having  this  transi- 
tion band  characteristic  (85dB  from  18  to 
21kHz)  would  indicate  a  65th  order  filter! 
(Refer  to  Section  III). 

If  the  filter  performance  is  satisfactory, 
the  coefficient  file  can  be  downloaded  to  the 
DSP  hardware  for  the  filter  implementation. 
If  the  response  is  not  satisfactory,  the  design 
process  may  be  iterated  with  changes  made 
either  to  the  number  of  taps  or  other  parame- 
ters until  the  desired  response  is  achieved. 


Now  that  the  coefficients  are  calculated 
and  properly  quantized,  we  must  see  what 
effects  on  filter  performance  have  been 
introduced  by  the  quantization  process.  It 
should  be  noted  that  the  filter  design  pro- 
gram initially  calculates  the  coefficients  with 
very  high  resolution.  When  these  very 
accurate  coefficients  are  quantized  to  a  lower 
resolution,  i.e.  16  bits,  some  accuracy  is  lost. 
This  loss  in  accuracy  may  adversely  affect 
the  performance  of  the  filter.  To  verify  the 
proper  performance,  the  filter  is  simulated. 
In  this  example  the  simulation  is  performed 
with  16  bit  math.  Figure  7.26  shows  the 
simulated  filter  response  so  that  the  filter 
performance  can  be  analyzed.  Also  available 
as  outputs  are  the  impulse  response  (shown 
in  Figure  7.27)  and  the  step  response  (shown 

FIR  FILTER  DESIGN  EXAMPLE 
FREQUENCY  RESPONSE 


Vv     V.V     V.!ff     V.W     V..V  '  \ 


FREBUEHCTtHERU) 


Figure  7.26 


FIR  FILTER  DESIGN  EXAMPLE 
IMPULSE  RESPONSE 


i — 



4 

V 

5.624  8 .  <35  1.129 
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TIDE   ( H 1 11 1  SECONDS ) 


Figure  7.27 


FIR  FILTER  DESIGN  EXAMPLE 
STEP  RESPONSE 


■V-f-r 


T  I  HE  ( H I LLI SECOHDS ) 

Figure  7.28 
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Insuring  Linear  Phase  In  FIR  Filters 

An  advantage  of  FIR  filters  is  they  can 
always  be  made  to  have  linear  phase  re- 
sponse which  is  a  characteristic  that  makes 
them  extremely  attractive  in  audio  and  sonar 
applications.  Linear  phase  means  that  all 
input  frequencies  are  delayed  by  the  same 
amount  through  the  filter.  In  an  FIR  filter, 
this  is  the  time  required  for  the  signal  to 
propagate  through  the  N  taps.  This  delay  is 
often  referred  to  as  group  delay  when  applied 
to  a  band  of  frequencies.  The  group  delay  is 
constant  for  a  linear  phase  FIR  filter. 

In  order  to  insure  phase  linearity  in  an 
FIR  filter,  it  is  required  that  the  filter  coeffi- 
cients are  symmetric  as  in  the  case  of  a 
simple  lowpass  filter  (Figure  7.29)  or  as  in 
the  case  of  a  simple  highpass  filter  (Figure 
7.30).  In  addition,  using  an  odd  number  of 
taps  is  also  a  requirement  for  linear  phase. 

SYMMETRICAL  FILTER  COEFFICIENTS 
PRODUCE  LINEAR  PHASE  RESPONSE  - 
LOWPASS  FILTER 

,*T  11  1 II It-.  - 


Figure  7.29 

SYMMETRICAL  FILTER  COEFFICIENTS 
PRODUCE  LINEAR  PHASE  RESPONSE  - 
HIGHPASS  FILTER 


h(n) 


Figure  7.30 


Decimation  Using  FIR  Filters 

FIR  filters  lend  themselves  to  applications 
where  data  rate  decimation  is  required,  such 
as  in  oversampled  sigma-delta  ADCs.  If  we 
want  to  decimate  the  output  data  rate  of  an 
FIR  filter  by  a  factor  of  2,  for  instance,  we 
would  take  only  every  other  sample  point  out 
of  the  filter.  This  also  implies  that  the  filter 
output  computations  need  only  be  done  every 
other  sampling  clock  period.  In  other  words, 


the  DSP  processor  now  has  two  sampling 
clock  intervals  to  complete  the  convolution 
calculation.  This  implies  that  either  more 
filter  taps  can  be  used,  or  perhaps  a  slower 
processor. 

FIR  FILTER  PROPERTIES 
SUMMARY 

■  Always  Stable 

■  Have  Linear  Phase,  Constant  Group  Delay 

■  Can  be  Adaptive 

■  Low  Round-Off  Noise 

■  Computational  Advantages  When 
Decimating  Output 

■  Easy  to  Understand  and  Implement 

Figure  7.31 


Infinite  Impulse  Response  (IIR)  Digital  Filters 

As  was  mentioned  previously,  digital  FIR 
filters  have  no  real  analog  counterparts,  the 
closest  analogy  being  the  weighted  moving 
average.  In  addition,  FIR  filters  have  only 
zeros  and  no  poles.  On  the  other  hand,  IIR 
filters  have  traditional  analog  counterparts 
(Butterworth,  Chebyshev,  and  Elliptic)  and 
can  be  analyzed  and  synthesized  using  more 
familiar  traditional  filter  design  techniques. 

Figure  7.32  shows  a  second-order  lowpass 
active  filter,  and  its  IIR  digital  filter  equiva- 
lent is  shown  in  Figure  7.33.  This  second- 
order  IIR  filter  is  referred  to  as  the  biquad 
(because  it  is  described  with  a  biquadratic 

SECOND-ORDER  ANALOG  FILTER 
IMPLEMENTATION 

Xls)      1+blRCs)  +  (RCsl' 


Figure  7.32 


►  y(n) 


y(n)  =  b0x(n)  +  b,  x(n-1)  +  b2  x(n-2)  -  a,  y(n  - 1)  -a2  y(n  -  2) 
Figure  7.33 
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equation  in  the  z-domain)  and  forms  the 
basic  building  block  for  most  higher  order  IIR 
designs.  The  difference  equation  which 
describes  the  characteristics  of  the  filter  with 
5  coefficients  is  also  shown  in  the  figure. 

The  general  digital  filter  equation  is 
shown  in  Figure  7.34  which  gives  rise  to  the 
general  transfer  function  H(z)  which  contains 
polynomials  in  both  the  numerator  and  the 
denominator.  The  roots  of  the  denominator 
determine  the  pole  locations  of  the  filter,  and 
the  roots  of  the  numerator  determine  the 
zero  locations.  Although  it  is  possible  to 
construct  a  high  order  IIR  filter  directly  from 
this  equation  (called  the  direct  form  implem- 
entation), accumulation  errors  due  to  quanti- 
zation errors  (finite  wordlength  arithmetic) 
may  give  rise  to  instability  and  large  errors. 
For  this  reason,  it  is  common  to  cascade 
several  biquad  sections  with  appropriate 
coefficients  rather  than  use  the  direct  form 
implementation.  The  biquads  can  be  scaled 
separately  and  then  cascaded  in  order  to 
minimize  the  coefficient  quantization  and  the 
recursive  accumulation  errors.  Cascaded 
biquads  execute  more  slowly  than  their 
direct  form  counterparts,  but  are  more  stable 
and  minimize  the  effects  of  errors  due  to 
finite  arithmetic  errors.  In  calculating  the 
throughput  time  of  a  particular  DSP  IIR 
filter,  one  should  examine  the  benchmark 
performance  specification  for  a  biquad  filter 
section.  For  the  ADSP-2101,  the  execution 
time  for  a  single  biquad  section  is  560ns, 
corresponding  to  seven  instruction  cycles. 

GENERAL  FILTER  EQUATION 


FEEDFORWARD 
M 

y(n)    =     E  bk  x(n  •  k)  + 
k=0 


FEEDBACK 

I  ak  y(n  -  k) 
k=1 


GIVES  RISE  TO  THE  TRANSFER  FUNCTION 


H(z)  = 


£  bkz-k  (ZEROS) 

k=0  

N 

1-  £  akz-k  (POLES) 
k=1 

Figure  7.34 


IIR  FILTER  PROPERTIES 
SUMMARY 

Feedback  (Recursion) 
Potentially  Unstable 

Usually  Implemented  as  Cascaded  Biquads 
Rather  than  Direct  Form 

Non-Linear  Phase 

More  Efficient  Than  FIR  Filters 

No  Computational  Advan 
Decimating  Output 


ge  when 
Analogous  to  Analog  Filters 


Figure  7.35 

THROUGHPUT  CONSIDERATION 
FOR  IIR  FILTERS 

■  Determine  How  Many  Biquad  Sections  are 
Required  to  Realize  the  Desired  Filter 
Function 

■  Multiply  by  the  Execution  Time  per  Biquad 
(560ns  for  the  ADSP-2101) 

■  The  Result  is  the  Minimum  Sampling  Period 
(1/fs)  Allowable  for  Real-Time  Operation 

Figure  7.36 

Summary:  FIR  Versus  IIR  Filters 

Choosing  between  FIR  and  IIR  filter 
designs  can  be  somewhat  of  a  challenge,  but 
a  few  basic  guidelines  can  be  given.  Typi- 
cally, IIR  filters  are  more  efficient  than  FIR 
filters  because  they  require  less  memory  and 
fewer  multiplications  are  needed.  IIR  filters 
can  be  designed  based  upon  previous  experi- 
ence with  analog  filter  designs.  IIR  filters 
may  exhibit  instability  problems,  but  this  is 
much  less  likely  to  occur  if  higher  order 
filters  are  designed  by  cascading  second- 
order  systems. 

On  the  other  hand,  FIR  filters  require 
more  taps  and  computations  for  a  given 
cutoff  frequency  response,  but  do  exhibit 
linear  phase  characteristics.  Since  FIR 
filters  operate  on  a  finite  history  of  data,  if 
some  data  is  corrupted  (ADC  sparkle  codes, 
for  example)  the  FIR  filter  will  ring  for  only 
N-l  samples.  Because  of  the  feedback, 
however,  an  IIR  filter  will  ring  for  a  consid- 
erably longer  period  of  time. 

If  sharp  cutoff  filters  are  needed  and 
processing  time  is  at  a  premium,  IIR  elliptic 
filters  are  in  order.  If  the  number  of  multi- 
plies is  not  prohibitive,  and  linear  phase  is  a 
requirement,  then  the  FIR  should  be  chosen. 
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MR  VERSUS  FIR  FILTERS 


no  cm  Tcnc 
MM  TIL  1  CH3 

Pin  PM  TPBC 
MM  ML  1  tH3 

More  Efficient 

Less  Efficient 

Analog  Equivalent 

No  Analog  Equivalent 

May  be  Unstable 

Always  Stable 

Non-Linear  Phase  Response 

Linear  Phase  Response 

More  Ringing  on  Glitches 

Less  Ringing  on  Glitches 

CAD  Design  Packages  Available 

No  Efficiency  Gained  by  Decimation 

Decimation  increases  tniciency 

Figure  7.37 

Fast  Fourier  Transforms 

In  many  applications  it  is  desired  to 
process  or  analyze  a  signal  in  the  frequency 
domain.  In  the  analog  world,  this  is  easily 
accomplished  using  an  analog  spectrum 
analyzer.  Mathematically,  this  process  can 
be  duplicated  by  taking  the  Fourier  trans- 
form of  the  continuous-time  analog  signal. 
The  Fourier  transform  yields  the  spectral 
content  of  the  analog  signal.  In  sampled 
data  systems,  however,  this  process  must  be 
accomplished  by  DSP  processing  of  the  ADC 
output  data.  Furthermore,  there  are  two 
distinct  differences  between  an  analog  and  a 
digital  spectral  analysis.  First,  the  output  of 
the  ADC  is  discrete  quantized  samples  of  the 
continuous  input,  x(t).  In  sampled  data  sys- 
tems, the  Discrete  Fourier  Transform  (DFT) 
performs  the  transformation  of  the  time 
domain  samples  into  the  frequency  domain. 
In  addition,  the  DFT  must  operate  on  a  finite 
number  of  sampled  data  points,  while  the 
Fourier  transform  operates  on  a  continuous 
waveform. 

CONTINUOUS  AND  DISCRETE 
TIME-TO-FREQUENCY 
TRANSFORMATIONS 

■  Fourier  Transform  Operates  on 
Continuous-Time  Waveforms 


Discrete  Fourier  Transform  Operates  on  a 
Finite  Number  of  Discrete  Time  Samples  of 


i  Waveforr 


form 

Figure  7.38 

If  x(n)  is  the  sequence  of  N  input  data 
samples,  then  the  DFT  produces  a  sequence 
of  N  samples  X(k)  spaced  equally  in  fre- 
quency. The  DFT  consists  of  a  series  of 
multiplications  and  additions  where  a  data 
word  is  multiplied  by  a  sinusoid  value,  and  a 
number  of  these  products  are  added  together 
as  shown  in  Figure  7.39. 


THE  DISCRETE  FOURIER 
TRANSFORM  (DFT)  EQUATION 


N-1 


X(k)  =  X  x(n)e-i2,cnk/N,  where 
e-]2Itnk/N  _  C0S(2jcnk/N)  -  jsin(27tnk/N) 


Figure  7.39 

The  DFT  can  be  viewed  as  a  correlation  or 
comparison  of  the  input  signal  to  many  sinu- 
soids, evaluating  the  frequency  content  of  the 
input  signal.  For  example,  a  1024  point  DFT 
would  require  1024  samples  of  the  input 
signal  and  1024  points  from  a  sinusoid. 
Sinusoids  of  1024  different  frequencies 
equally  spaced  from  -fs/2  to  +f /2  are  used. 
Each  pass  of  the  DFT  checks  the  sinusoid 
against  the  input  signal  to  see  how  much  of 
that  frequency  is  present  in  the  input  signal. 
This  is  repeated  for  each  of  the  1024  frequen- 
cies. The  result  is  shown  in  Figure  7.40 
where  N/2  discrete  frequency  components 
appear  in  the  output  spectrum.  If  the  sam- 
pling frequency  is  f ,  then  the  spacing  be- 
tween the  spectral  fines  is  f  /N,  or  lVNts, 
where  ts  is  the  sampling  period,  l/fs. 

Spectral  analysis  is  most  often  performed 
with  complex  signals  (having  both  real  and 
imaginary  components)  so  that  phase  infor- 
mation as  well  as  amplitude  and  frequency 
information  is  obtained.  In  the  above  ex- 
ample, 1024  complex  data  values  are  multi- 
ply/accumulated with  1024  complex  sinusoid 
values.  This  requires  1024  complex  multi- 
plies. This  process  is  repeated  for  each  of  the 
1024  frequencies  for  a  total  of  10242  multi- 
plies, or  in  general  terms,  N2  complex  multi- 
plies. Even  for  a  powerful  DSP  device,  this 
number  of  computations  can  be  cumbersome 
and  time  consuming.  This  amount  of  compu- 

TYPICAL  FFT  OUTPUTS  FOR  DIFFERENT 
RECORD  LENGTHS 


N  =  64 

if  =  — 


32  Spectral  Unas 


Figure  7.40 
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tation  is  only  required  when  all  output 
frequencies  are  to  be  calculated.  If  the  value 
of  frequency  content  for  only  one  or  a  few  fre- 
quencies is  to  be  determined,  the  computa- 
tional load  is  not  as  heavy. 

In  most  spectral  analysis  situations, 
however,  the  entire  frequency  spectrum  up  to 
f 12  must  be  computed,  so  we  must  find  a 
faster  method!  The  FFT  is  simply  an  algo- 
rithm to  speed  up  the  DFT  calculation  by 
reducing  the  number  of  multiplications  and 
accumulations  required.  It  was  popularized 
by  J.  W.  Cooley  in  the  1960s  and  was  actu- 
ally a  rediscovery  of  an  idea  of  Runge  (1903) 
and  Danielson  and  Lanczos  (1942),  first 
occurring  prior  to  the  availability  of  comput- 
ers and  calculators-when  numerical  calcula- 
tion could  take  many  manhours. 

The  FFT  is  based  on  taking  advantage  of 
certain  algebraic  and  trigonometric  symme- 
tries in  the  DFT  computational  process.  For 
example,  if  a  1024  point  DFT  is  performed, 
10242  (1,048,567)  complex  multiplications 
are  required.  It  is  possible  to  break  up  the 
1024  point  DFT  into  two  512  point  DFTs  and 
end  up  with  the  same  results.  This  is  called 
decimation.  Each  512  point  DFT  requires 
5122  (262,144)  complex  multiplications  for  a 
total  of  524,288  complex  multiplications. 
This  is  a  significant  reduction  compared  to 
the  original  1,048,567.  Figure  7.41  shows  an 
N-point  DFT  broken  up  into  two  N/2-point 
DFTs.  The  presence  of  a  phase  factor  W 
(sometimes  called  a  twiddle  factor)  on  a 
horizontal  fine  indicates  a  multiplication  by 
W.  The  points  where  the  arrows  intersect 
the  horizontal  fines  indicates  a  summation. 
The  presence  of  a  -1  on  the  line  indicates  a 
sign  reversal. 

FIRST  DECIMATION  IN  TIME 
OF  8-POINT  DFT 


4-POINT 
DFT 

Y(0) 

Yd)                    A  / 

Y(2)                     \\  // 

Y(3)  AW/// 

4-POINT 
DFT 





Z(0) 


an. 


Zj2)_ 


Z(3) 


w3 


-X(7) 


Figure  7.41 


If  it's  possible  to  break  up  the  1024  point 
DFT  into  two  512  point  DFTs  and  still  get 
the  same  result,  why  can't  each  512  point 
DFT  be  broken  up  into  two  256  point  DFTs 
for  an  even  greater  reduction  in  computa- 
tions? Well,  they  can.  This  decimation 
process  can  continue  until  the  original  DFT 
is  broken  up  into  2  point  DFTs  (the  smallest 
DFT  possible). 

EIGHT-POINT  DECIMATION-IN-TIME  FFT 
NORMAL-ORDER  INPUTS,  BIT-REVERSED 
OUTPUTS 


x(1) 


x(4) 


O  >    «  >  ,   >   «  >j   >  *^  

_  \  / :  X/VnX 

o  >  A 

<// 

0  >N  *  / 

</ 

O  >  N  i — 

my  \1  wg  x 

-1  -1 

Figure  7.42 


X(0) 
X(4) 

X<2) 
X(6) 
X(1) 
X(5) 
X(3) 
X(7) 


The  final  series  of  computations,  after  the 
decimation  process  is  complete,  is  the  FFT. 
This  is  shown  for  the  8  point  DFT  in  Figure 
7.42.  Since  the  FFT  was  first  decimated  by  a 
factor  of  2,  the  FFT  is  known  as  a  Radix-2 
FFT.  If  the  initial  DFT  was  decimated  by  a 
factor  of  4,  it  would  be  referred  to  as  a  Radix- 
4  FFT.  Note  that  the  input  data  points  are 
taken  in  normal  order,  but  the  outputs  are  in 
bit-reversed  order.  Bit-reversing  hardware  is 
therefore  common  in  DSP  processors  such  as 
the  ADSP-2101.  The  basic  calculation, 
essentially  the  2  point  DFT,  is  commonly 
referred  to  as  a  butterfly  calculation.  The 
FFT  is  made  up  of  many  butterfly  calcula- 
tions. Figure  7.43  shows  the  basic  butterfly 
for  the  Radix-2  decimation-in-time  FFT 
which  requires  one  complex  multiply  opera- 
tion per  butterfly. 

RADIX-2  DECIMATION-IN-TIME 
FFT  BUTTERFLY 

xo  +  iYo  if   X'o+fY,; 


=  x0  -  <x,  c  -  y,  s> 

Figure  7.43 


+  <X,S  -Y,  C) 
Y0  -(X,S  -Y,C) 
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The  significance  of  the  FFT  on  the  reduc- 
tion in  computations  required  to  do  the  DFT 
is  shown  in  Figure  7.44. 

COMPUTATIONAL  EFFICIENCY 
OF  AN  N-POINT  FFT 

DFT  FFT 

N2  Multiplications  (N/2  log2(N) 

For  N  =  1024  For  N  =  1024 

1,048,576  Multiplications  5,120  Multiplications 


FFT  Design  Considerations 


200  : 1 


Figure  7.44 


Note  that  the  FFT  results  in  the  computa- 
tion of  all  N/2  spectral  outputs  (all  or  noth- 
ing!). If  only  a  few  spectral  points  need  to  be 
calculated,  the  DFT  is  more  efficient.  Calcu- 
lating a  single  spectral  output  using  the  DFT 
requires  only  N  complex  multiplications. 

FFT  Hardware  Implementation 

In  general  terms,  the  memory  require- 
ments for  an  N  point  FFT  are  N  locations  for 
real  data,  N  locations  for  imaginary  data, 
and  N  locations  for  the  sinusoid  data  (some- 
times referred  to  as  the  FFT  coefficients  or 
twiddle  factors).  As  long  as  the  memory 
requirements  are  met,  the  DSP  processor 
must  perform  the  necessary  calculations  in 
the  required  time.  Many  DSP  vendors  will 
either  give  a  performance  benchmark  for  a 
specified  FFT  size  or  a  calculation  time  for  a 
butterfly.  When  comparing  FFT  specifica- 
tions, it  is  important  to  make  sure  that  the 
same  type  of  FFT  is  used  in  all  cases.  For 
example,  a  1024  point  FFT  benchmark  could 
have  been  derived  from  a  Radix-2  or  Radix-4 
FFT  and  would  not  be  compatible  bench- 
marks since  the  number  of  computations 
required  is  different. 

Once  the  basic  hardware  requirements  are 
met,  it  is  the  job  of  the  software  to  make  the 
system  realizable.  With  the  same  hardware, 
different  software  routines  make  possible  a 
Radix-2,  Radix-4,  decimation-in-time  or 
decimation-in-frequency  algorithm  just  by 
manipulating  the  data  in  a  different  manner. 
An  optimized  Radix-4  FFT  algorithm  is  given 
in  Reference  6. 

DSP  FFT  HARDWARE 
BENCHMARK  COMPARISONS 

■  Radix-2,  Radix-4  FFT? 

■  Butterfly  Execution  Time? 

■  Total  FFT  Execution  Time? 

Figure  7.45 


The  first  step  in  designing  an  FFT  is  to 
determine  the  number  of  points  required,  N, 
or  the  record  length.  There  are  several  ways 
to  approach  this  problem.  The  sampling 
rate,  fs,  must  be  at  least  twice  the  maximum 
input  signal  frequency  of  interest.  Once  the 
sampling  rate  is  known,  the  spectral  resolu- 
tion of  the  FFT  is  then  given  by  f /N.  The 
more  points  in  the  FFT,  the  better  the  spec- 
tral resolution.  This  is  a  prime  consideration 
in  spectral  analysis  applications. 

In  real-time  analysis  of  speech,  for  ex- 
ample, the  signal  bandwidth  is  approxi- 
mately 4kHz,  implying  a  sampling  rate  of 
8kHz.  The  spectrum  of  speech  is  not  station- 
ary. The  signal  must  be  divided  up  into 
windows,  Tw,  short  enough  to  ensure  that 
individual  features  are  not  averaged  out  in 
the  FFT,  all  meaning  is  lost  in  the  long-term 
FFT  of  speech,  for  example.  But  Tw  must  be 
long  enough  to  give  adequate  spectral  resolu- 
tion. It  has  been  determined  that  for  human 
speech  phonemes,  20ms  is  adequate  ' 
Tw  =  20ms. 


REAL-TIME  SPEECH  ANALYSIS 
FFT  EXAMPLE 

BW  =  4kHz,  Sampling  Rate  =  8kHz 
Window  =  20ms 

N  >  8kHz  x  20ms  =  160,  Therefore  use 
N  =  256 

Can  Processor  Keep  Up? 

ADSP-2101  Benchmark  for  N  =  256 
is  0.59ms 


■  Yes!  With  19.41ms  for  Other  Computations 

Figure  7.46 

Now,  what  determines  if  the  FFT  can  keep 
up?  The  number  of  sample  points  in  the 
window  Tw  is  equal  to  Twf ,  or  20ms  x  8kHz  = 
160  points.  This  will  be  rounded  up  to  the 
nearest  power  of  2,  or  256  points.  This  says 
that  the  DSP  processor  must  complete  the 
256  point  FFT  in  less  than  the  data  acquisi- 
tion time  per  window,  Tw.  Otherwise  real- 
time processing  is  not  possible,  and  the  com- 
putation would  have  to  be  done  off  line.  The 
ADSP-2101  completes  a  256-point  FFT  in 
0.59ms  leaving  19.41ms  for  other  computa- 
tions. 

Benchmark  FFT  processing  times  for  most 
DSP  processors  are  given  by  the  manufac- 
turer. Figure  7.48  shows  Radix-4  benchmark 
times  for  the  ADSP-2101.  The  512-point 
benchmark  time  is  for  a  Radix-2  FFT.  In 
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evaluating  various  DSP  processors,  make 
sure  to  compare  them  under  the  same  condi- 
tions. For  instance,  a  Radix-4  FFT  is  some- 
what faster  than  a  Radix-2  FFT. 

Figure  7.47  also  shows  the  maximum 
sampling  rates  for  real-time  operation  associ- 
ated with  the  FFT  execution  times.  These 
sampling  rates  indicate  that  modern  DSP 
microcomputers  such  as  the  ADSP-2101  are 
capable  of  real-time  FFT  analysis  of  signals 
having  bandwidths  as  great  as  100  to 
200kHz. 


ADSP-2101  BENCHMARK  FFT  PERFORMANCE 
AND  ASSOCIATED  SAMPLING  RATES 
FOR  REALTIME  OPERATION 


FFT  SIZE 

EXECUTION  TIME 

MAXIMUM 
SAMPLING  RATE 

256 

0.59ms 

434kHz 

512 

1.3ms 

394kHz 

1024 

2.9ms 

353kHz 

2048 

6.5ms 

315kHz 

4096 

14.2ms 

288kHz 

Figure  7.47 

FFT  OF  SINEWAVE  HAVING  INTEGRAL 
NUMBER  OF  CYCLES  IN  WINDOW 


INTEGRAL  MULTIPLE 


DFT  ^  OF  OFT 


Fin  /  Fs  =  Nc  /  N 
N  =  Record  Length 

Nc  =  Number  of  Cycles  in  Data  Window 


Figure  7.48 


Spectral  Leakage  . 


Spectral  leakage  in  FFT  processing  can 
best  be  understood  by  considering  the  case  of 
performing  an  FFT  on  a  pure  sinewave 
input.  Two  conditions  will  be  considered.  In 
Figure  7.48,  the  ratio  between  the  sampling 
rate  and  the  input  sinewave  frequency  is 
such  that  precisely  an  integral  number  of 
cycles  are  contained  within  the  data  window 


(or  record  length).  This  results  in  a  single 
tone  FFT  spectral  response  at  the  sinewave 
frequency  as  shown  in  the  figure.  Figure  7.49 
shows  the  condition  when  the  sinewave  does 
not  contain  an  integral  number  of  cycles 
within  the  data  window.  The  discontinuities 
at  the  endpoints  are  equivalent  to  multiply- 
ing the  sinewave  by  a  rectangular  windowing 
pulse  which  has  a  sin(x)/x  frequency  domain 
response.  The  discontinuities  in  the  time 
domain  result  in  leakage  in  the  frequency 
domain,  because  many  spectral  terms  are 
needed  to  fit  the  discontinuity.  Because  of 
the  endpoint  discontinuity,  the  FFT  spectral 
response  shows  the  main  lobe  of  the  sine- 
wave being  smeared,  an  a  large  number  of 
associated  sidelobes  which  have  the  basic 
characteristics  of  the  rectangular  time  pulse. 

FFT  OF  SINEWAVE  HAVING  NON-INTEGRAL 
NUMBER  OF  CYCLES  IN  WINDOW 


Fin  /  Fs  «  Nc  /  N 
N  =  Record  Length 

Nc  =  Number  of  Cycles  in  Data  Window 


Figure  7.49 

Since  in  practical  FFT  spectral  analysis 
applications  the  exact  frequencies  are  un- 
known, something  must  be  done  to  minimize 
these  sidelobes.  This  is  done  by  choosing  a 
windowing  function  other  than  the  rectangu- 
lar window.  The  input  time  samples  are 
multiplied  by  an  appropriate  windowing 
function  which  brings  the  signal  to  zero  at 
the  edges  of  the  window.  The  selection  of  an 
appropriate  windowing  function  is  primarily 
a  tradeoff  between  main-lobe  spreading  and 
sidelobe  rolloff.  Leakage  can  also  be  reduced 
by  padding  the  data  with  zeros  and  perform- 
ing a  correspondingly  longer  FFT.  Reference 
4  is  highly  recommended  for  an  in-depth  look 
at  windows. 

The  time-domain  and  frequency-domain 
characteristics  of  a  simple  windowing  func- 
tion (the  Hanning  Window)  are  shown  in 
Figure  7.50.  A  comparison  of  the  frequency 
response  of  the  Hanning  window  and  the 
more  sophisticated  Minimum  4-Term  Black- 
man-Harris  window  is  given  in  Figure  7.51. 
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TIME  AND  FREQUENCY 
REPRESENTATION  OF  HANNING  WINDOW 
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Figure  7.50 


Data  Scaling  and  Block  Floating  Point 

The  results  of  the  butterfly  calculation  can 
be  larger  than  the  inputs  to  the  butterfly. 
This  data  growth  can  pose  a  potential  prob- 
lem in  a  DSP  with  a  fixed  number  of  bits.  To 
prevent  data  overflow,  the  data  needs  to  be 
scaled  before  hand,  leaving  enough  extra  bits 
for  growth.  Alternatively,  the  data  can  be 
scaled  after  each  pass  of  the  FFT.  The 
technique  of  scaling  data  after  each  pass  of 
the  FFT  is  known  as  block  floating  point.  It 
is  called  this  because  the  full  array  of  data  is 
scaled  as  a  block  regardless  of  whether  or  not 
each  element  in  the  block  needs  to  be  scaled. 
The  complete  block  is  scaled  so  that  the 
relative  relationship  of  each  data  word 
remains  the  same.  For  example,  if  each  data 
word  is  shifted  right  one  bit  (divided  by  2), 
the  absolute  values  have  been  changed  but 
relative  to  each  other,  the  data  stays  the 
same. 


Figure  7.51 

FFT  SUMMARY 

■  The  FFT  is  an  Algorithm,  not  an 
Approximation 

■  Computational  Speed  is  not  Achieved 
at  the  Expense  of  Accuracy 

■  The  FFT  is  a  Fast  Implementation 
of  the  DFT 

■  Resolution  of  the  FFT  in  Frequency 
if  fs/N,  N  =  Record  Length 

■  Endpoint  Discontinuities  in  Time 
Usually  Require  Smoothing  Using 
Windowing  Functions 

■  Real-Time  FFT  Processing  Possible  at 
Sampling  Rates  in  Excess  of  100kHz 
Using  DSP  Microcomputers 

Figure  7.52 


DIGITAL  SIGNAL  PROCESSING  PRODUCTS  9-17 


References 


1.  Richard  J.  Higgins,  Digital  Signal  Processing  in  VLSI,  Prentice-Hall,  1990. 

2.  A.  V.  Oppenheim  and  R.  W.  Schafer,  Digital  Signal  Processing,  Prentice-Hall,  1975. 

3.  L.  R.  Rabiner  and  B.  Gold,  Theory  and  Application  of  Digital  Signal  Processing, 

Prentice-Hall,  1975. 

4.  Fredrick  J.  Harris,  On  the  Use  of  Windows  for  Harmonic  Analysis  with  the  Discrete 
Fourier  Transform,  Proc.  IEEE,  Vol.  66,  No.  1,  1978  pp.  51-83. 

5.  Momentum  Data  Systems,  Inc.  Costa  Mesa,  CA. 

6.  Fares  Eidi,  An  Optimized  Radix-4  Fast  Fourier  Transform  (FFT),  Analog  Devices 
Application  Note  E1329-5-9/89.  Available  from  Analog  Devices. 

7.  High  Speed  Design  Seminar,  Analog  Devices,  1990. 

8.  Amy  Mar,  Editor,  Digital  Signal  Processing  Applications  Using  the  ADSP-2100 
Family,  Prentice-Hall,  1990. 

9.  C.  S.  Williams,  Designing  Digital  Filters,  Prentice-Hall,  1986. 

10.  R.  W.  Ramirez,  The  FFT:  Fundamentals  and  Concepts,  Prentice-Hall,  1985. 


9-18   DIGITAL  SIGNAL  PROCESSING  PRODUCTS 


□ ANALOG  ANM44 
DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Digital  FIR  Filters  Without  Tears 

by  Bill  Windsor  and  Paul  Toldalagi 


Digital  filters  once  required  specialized  design  techniques,  high- 
performance  costly  hardware,  and  complicated  software  to  imple- 
ment; for  these  reasons,  they  found  only  restricted  application. 
Today,  in  sharp  contrast,  the  availability  of  low-cost  high-speed 
digital  signal-processing  ICs,  such  as  multipliers  and  multiplier/ 
accumulators,  combined  with  easy-to-use  standardized  design 
procedures,  has  dramatically  simplified  filter  implementation. 
Consequently,  if  your  applications  require  filters  with  rolloffs  in 
excess  of  24  dB/octave,  you  should  include  digital  filters  in  your 
design  repertoire. 

In  these  pages,  we  will  compare  digital  and  analog  filters,  discuss 
the  various  digital  filter  architectures,  and — as  an  example — show 
you  a  step-by-step  method  of  designing  FIR  (non-recursive)  filters. 
A  set  of  references  will  show  you  where  to  find  information  on  top- 
ics only  touched  on  lightly  here. 

COMPARE  DIGITAL  AND  ANALOG  FILTERS 

Digital  filters  increasingly  find  their  way  into  modems,  radars, 
spectrum  analyzers,  and  speech-  and  image-processing  equipment, 
and  for  good  reasons:  Compared  to  analog  filters,  digital  designs 
offer  sharper  rolloffs,  require  no  calibration,  and  have  greater  sta- 
bility with  time,  temperature,  and  power-supply  variations.  Sim- 
ple software  changes  can  alter  a  digital  filter's  response  in  real 
time,  creating  so-called  "adaptive  filters,"  whereas  analog  filters 
usually  require  hardware  changes. 

But  digital  filters  do  not  satisfy  every  application.  Analog  tech- 
niques are  usually  most  cost-effective  in  designs  calling  for  rolloffs 
of  up  to  about  24  dB/octave.  As  rolloff  requirements  exceed  24  to 
36  dB/octave,  however,  digital  filters  increasingly  make  more 
sense.  In  fact,  in  applications  calling  for  such  steep  rolloffs,  many 
designers  find  digital  filters  significantly  easier  to  develop.  Pro- 
totypes can  be  easily  altered  through  software  changes.  Also,  soft- 
ware simulations  of  digital  filter  designs  reflect  the  exact  filter 
performance,  whereas  computer  simulations  of  analog  filters  can 
only  approximate  true  filter  performance,  since  the  parameters  of 
analog  filters  are  sensitive  to  component  values  that  are  initially 
inexact  and  can  vary  substantially. 

DIGITAL  FILTER  BASICS 

Common  digital  filter  designs  fall  into  two  basic  categories — non- 
recursive  (finite  impulse-response,  FIR)  and  recursive  (infinite  im- 

Reprinted  from  Analog  Dialogue  17-2  1983 


pulse-response,  IIR).  Besides  straightforward  IIR  designs,  there  is 
a  growing  interest  in  types  embodying  what  is  known  as  a  lattice 
topology.  But  before  examining  these  digital  filter  types,  let  us  re- 
view some  digital  filter  basics. 

Digital  filters  are  not  as  difficult  to  understand  as  you  might  at  first 
think.  A  previous  Analog  Dialogue  article  introduced  the  subject 
to  our  readers  (Vol.  17,  Number  1,  1983,  page  3);  the  references 
listed  at  the  end  of  both  that  article  and  this  one  can  provide  great- 
er detail. 

Although  filtering  is  often  required  for  smoothing  signals  in  the 
time  domain,  most  designers  understand  the  operation  of  a  filter 
best  in  the  frequency  domain.  The  spectrum  of  the  input  signal 
is  multiplied  by  the  frequency  response  of  the  filter  to  produce 
an  output  signal  with  an  altered  spectrum.  This  multiplication  in 
the  frequency  domain  is  equivalent  to  convolution  of  the  wave- 
form and  a  response  function  in  the  time  domain.  What  then  is 
convolution? 

To  understand  the  process,  first  consider  a  transfer  function,  H(f), 
with  an  ideal  magnitude  graph  in  the  frequency  domain  as  shown 
in  Figure  1  a.  The  function  H(f)  responds  with  unity  gain  to  signals 
having  frequency  components  from  0  Hz  to  fj  Hz,  where  each 
frequency  component  is  simply  a  cosine  wave  at  a  particular  fre- 
quency. For  instance,  the  signal,  cos(2-ir3t),  represents  a  unity- 
amplitude  frequency  component  at  f  =  3  Hz. 

Figure  lb  illustrates  the  spectrum  of  a  signal,  X(f),  whose  time 
value  is  cos(2-7rf2t)  +  cos(2nf3 1).  X(f)  therefore  represents  the  sum 
of  two  equal  components  at  f2  and  f3.  If  you  want  to  extract  the 
f2  component,  leaving  behind  the  f3  component,  you  could  simply 
pass  the  X(f)  signal  through  a  low  pass  filter.  In  fact,  H(f)  depicts 
just  such  a  filter,  with  a  cutoff  frequency  of  f,.  Since  H(f)  equals 
1  at  f2  and  0  at  f3,  multiplying  H(f)  by  X(f)  gives  you  1  x  cos(2irf2 
t)  +  0  x  cos(2irf3t),  or  simply  cos(2irf2t). 

So  far,  we  have  been  discussing  continuous  functions  of  time. 
However,  in  digital  filters,  we  are  dealing  with  sampled  data, 
where  a  function  of  time  consists  of  a  finite  number,  k,  of  discrete 
values,  x(n),  per  second,  where  k  is  the  sampling  rate  and  n/k  is 
the  discrete  variable  corresponding  to  time.  Thus,  a  cosine 
waveform,  in  discrete  time,  is  expressed  as  cos(2Trfn/k). 
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The  continuous  Fourier  transform  provides  a  means  for  mapping 
continuous  functions  of  time  into  the  continuous  complex  fre- 
quency domain,  and  the  inverse  Fourier  transform  maps  functions 
of  frequency  into  the  time  domain.  Similarly,  the  discrete  Fourier 
transformation  maps  discrete  functions  of  time  into  the  discrete 
frequency  domain,  and  its  inverse  transforms  discrete  functions  of 
frequency  into  the  discrete  time  domain. 

If  the  function  of  frequency  is  the  product  of  two  functions — for 
example,  the  frequency  content  of  a  signal  and  the  transfer  func- 
tion (i.e.,  the  frequency  response) — the  corresponding  time  func- 
tion is  the  same  as  the  convolution  of  two  functions  in  the  time 
domain — i.e.,  the  signal's  time  waveform  and  a  time-response 
function,  determined  by  the  transfer  function. 

Thus,  Fourier's  theorem 
quency  domain  to  convolution 
means  of  calculating  the  time  response  directly.  As  a  consequence, 
the  discrete- time  convolution: 


n,  which  equates  multiplication  in  the  fre- 
volution  in  the  time  domain,  provides  a 


building  an  arbitrary  step  response.  For  example,  if  each  h(m)  is 
a  gain  of  '/z7,  the  filter's  response  to  a  step  will  be  a  27-step  stair- 
case (approximating  an  analog  ramp),  followed  by  constant  out- 
put; with  any  input  sequence,  it  performs  a  27-interval  running 
average. 

The  following  sections  discuss  means  for  calculating  the  coeffi- 
cients. 

DIGITAL  FILTER  TYPES 

Figure  2  illustrates  FIR  and  two  of  the  most-prominent  IIR  digital 
filter  topologies,  the  former  straightforward  and  the  latter  in  the 
form  of  a  lattice.  FIR,  or  finite  impulse  response,  filters  (Figure  2a) 
edback  terms.  Their  outputs  are  a  function  only  of  a  fi- 
?r  of  previous  input  values  (x(n)),  and  they  are  by  defini- 


nite  number  ot  previou 
tion  nonrecursive.  The  filter  in  the  example  above  is  an  FIR  filter. 
The  IIR  filters  of  2b  and  2c  will  be  seen  to  have  recursive  terms, 
in  which  a  value  of  the  output  is  affected  by  previous  values  of  the 


y(n)  =  [h»x](n)  (1) 
is  equal  to  the  sum  of  the  products  of  the  signal  and  the  frequency 


response,  i.e., 


IN. 

y(n)  =  ^h(m>x(n  -  m) 


(2) 


» -  i 

for  all  values  of  n. 


Equation  2  represents  a  series  of  multiplications  and  additions, 
which,  if  performed  in  a  particular  order,  will  automatically  treat 
the  input  signal  x(n)  as  if  it  were  put  through  a  low-pass  filter.  The 
equation  assumes  that  h(n)  is  zero  for  m  <  1  and  for  m  >  N,  which 
happens  to  always  be  true  for  FIR  filters,  where  N  is  the  number 
of  samples  in  h(n). 

|  Hill  |  |  xiii  |  |  VIII  | 
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Figure  1.  Only  one  frequency  component  remains  (c)  after 
the  filter  function  (a)  multiplies  the  signal  at  (b). 
To  perform  the  calculation  of  equation  I,  using  the  Fourier 
theorem,  all  you  need  are  the  functions  h(n)  and  x(n).  These  are 
the  inverse  discrete  Fourier  transforms  of  H(f)  and  X(f)  of  Figure 
1.  The  transform  of  X(f)  is  a  simple  cosine  wave,  x(n)  =cos(2Trf2 
n/k)  +  cos(2Tff3  n/k).  As  discussed  in  a  later  section,  you  can  read- 
ily calculate  the  values  of  x(n)  if  you  know  f2,  fj,  and  the  sample 
rate,  k  -  the  rate  at  which  your  analog-to-digital  converter  is  sam- 
pling the  incoming  time-domain  signal  x(t).  You  may  have  a  little 
more  difficulty  computing  the  values  of  h(n),  which  are  called  the 
filter  coefficients.  But  several  good  computer  programs  are  avail- 
able to  help  out,  including  one  from  Analog  Devices. 

To  illustrate  a  practical  example  of  equation  2,  consider  a  27th 
order  filter,  with  N  =  27.  Then,  the  filter  output  value  y(30), 
which  depends  on  the  27  preceding  values  of  x,  will  be: 

y(30)  =  h(1)-x(29)  +  h(2)-x(28)  +  h(.?)-x(27)  + 

...  +  h(26)-x(4)  +  h(27)-x(3). 

The  physical  meaning  of  this  summation  is  that  the  filter's  step  re- 
sponse is  synthesized  by  summing  27  successively  delayed  versions 
of  the  input  step,  each  multiplied  by  its  own  coefficient,  in  effect 


X„  3 

LATTICE  SECTION - 


Figure  2.  Three  common  digital  filter  topologies  include  FIR 
(a),  IIR  (b),  and  lattice  type  (c). 

output  (y(n)),  as  well  as  by  input  values.  In  comparison  to  the  other 
types,  FIR  filters  offer: 

Stability.  FIR  filters  have  no  poles  in  their  Z-plane  transfer  func- 
tion. Thus,  their  output  is  always  finite  and  stable.  IIR  filters  in 
contrast,  require  careful  design  to  insure  stability.  Because  FIR  de- 
signs are  based  on  discrete  time  delays  and  have  no  poles,  they  can 
be  used  to  construct  filters  for  which  there  are  no  continuous  ana- 
log equivalents. 

Linear  Phase  Response.  You  can  design  FIR  filters  with  linear 
phase  response  -  the  phase  delay  of  the  output  signal  increases 
linearly  with  the  frequency  of  the  input  signal.  Linear  phase  re- 
sponse becomes  particularly  important  in  applications  such  as 
speech  processing,  sonar  and  radar.  IIR  filters,  on  the  other  hand, 
have  nonlinear  phase  response.  Linear  phase  response  is  difficult 
to  achieve  with  continuous  analog  filters. 

Ease  of  Design.  Designers  find  the  FIR  filter  the  easiest  of  the 
three  forms  to  understand,  design,  and  implement,  especially  for 
indicial  response  in  the  timedomain. 
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Low  Sensitivity  to  Coefficient  Errors.  This  permits  FIR  filters  to 
be  implemented  with  small  word  sizes  -  1 2-to-l  6  bits  for  instance. 
Typical  IIR  filters  need  1 6-to-24  bits  per  coefficient. 

Accomodates  Adaptive  Designs.  Adaptive  FIR  filters  are  com- 
paratively easy  to  implement,  by  changes  to  the  filter  coefficients 
in  real  time,  to  adapt  the  filter's  characteristics  to  external  condi- 
tions. Adaptive  equalization  filters  in  modems,  for  instance,  are 
programmed  to  change  their  characteristics  in  response  to  changes 
in  the  impedance  of  the  transmission  line. 

IIR"  (infinite  impulse  response)  filter  outputs  (Figure  2b)  combine 
input  values  with  previous  output  values,  which  have  been  fed 
back  into  the  circuit.  IIR  filters  are  therefore  recursive.  As  in  any 
feedback  circuit,  to  avoid  instabilities,  IIR  filter  designs  must  avoid 
positive  feedback  with  gains  equal  to  or  greater  than  1 .  IIR  designs 
linear  phase  shift,  and  they  need  large  coefficient  word  sizes  to 
keep  rounding  errors  small  and  insure  stability.  Nevertheless,  IIR 
filters  have  major  advantages,  including: 

Highest  Efficiency.  IIR  designs  require  fewer  filter  coefficients, 
thereby  minimizing  the  number  of  multiplications  and  maximizing 
the  throughput. 

Least  Memory  Storage.  Because  the  IIR  filter  has  the  least 
number  of  coefficients,  it  requires  the  least  amount  of  read-only 
memory  (ROM).  For  example,  a  typical  highpass  design  requires 
only  four  coefficients  in  an  IIR  implementation,  versus  19  for  an 
FIR  equivalent. 

Lattice-type  digital  filters  promise  greater  stability  than  IIR  forms, 
with  less  hardware  than  FIR  types.  The  newest  form  of  digital  fil- 
ter, lattice  filters  presently  have  rapidly  developing  design  theory. 
Although  earlier  lattice  designs  were  highly  sensitive  to  coefficient 
accuracy,  recent  designs  have  shown  less  sensitivity  to  filter 
parameters  than  the  corresponding  IIR  filter  (by  2  to  3  bits!).  A 
big  advantage  of  lattice  filters  is  that  the  parameters  used  in  each 
of  the  steps  can  be  used  for  efficient  encoding  methods,  as  in  linear 
predictive  coding  (speech). 

DESIGNING  FIR  FILTERS 

Specifications  and  Tradeoffs 

Designers  specify  non-recursive  (i.e.,  FIR)  digital  filters  similarly 
to  analog  filters  —  a  maximum  amount  of  ripple  in  the  passband, 
a  maximum  amount  of  attenuation  in  the  stopband,  etc.  (See  the 
adjacent  definitions  of  digital  filter  terminology.)  You  will  need  to 
specify  the  following  design  parameters: 

N,  the  number  of  taps  in  the  filter,  which  equals  the  number  of 
filter  coefficients 

fp,  the  passband  cutoff  frequency 

fs,  the  stopband  cutoff  frequency, 

K  =  (8,/52),  the  ratio  of  the  ripple  in  the  passband  to  the  ripple 
in  the  stopband. 

Figure  3  illustrates  these  parameters  for  lowpass,  highpass  and 
bandpass  filters.  Designers  usually  define  the  units  of  passband 
ripple  in  dB  as  20  log10  (1  +  8t),  and  the  units  of  stopband  ripple, 
also  in  dB,  as  —  20  log,  0  (82).  Passband  ripple  typically  ranges  from 
0.001  to  1  dB,  and  stopband  ripple  from  - 10  dB  to  -  90  dB.  Fre- 
quencies fp  and  fs  are  normalized  frequencies,  which  equal  the  ratio 
of  the  actual  signal  frequency  to  the  sampling  frequency.  Consider, 
for  example,  a  filter  designed  for  a  sampling  frequency  of  100  kHz, 


•See  Johnson,  Matt,  "Implement  Stable  IIR  Filters  Using  I 
EDN,  April  14, 1983,  pp.  153-166. 


Minimal  Hardware." 
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b.  c. 
Figure  3.  Design  parameters  defined  for  lowpass  (a),  high- 
pass  (b),  and  bandpass  (c)  filters. 

a  passband  cutoff  frequency  (fp)  of  10  kHz,  and  a  stopband  cutoff 
frequency  (fs)  of  20  kHz.  Then, 

fp  (normalized)  =  10  kHz/1 00kHz  =  0.1 

f5  (normalized)  =  20kHz/100kHz  =  0.2 

Note  that  the  normalized  frequency  axis  extends  from  0  to  only 
0.5,  since  a  design  in  accordance  with  the  Nyquist  sampling 
theorem  requires  that  a  signal  be  sampled  at  more  than  twice  its 
highest  frequency  in  order  to  eliminate  the  possibility  of  aliasing. 

As  always,  specifying  these  design  parameters  requires  some 
tradeoffs.  With  a  fixed  number  of  filter  taps,  steeper  rolloffs  result 
in  greater  ripple.  For  both  steep  rolloffs  and  small  ripple,  you  will 
have  to  increase  the  number  of  filter  taps,  and  therefore  the  filter's 
complexity. 

Designing  FIR  Filters  Through  Windowing 

To  design  a  digital  filter,  you  must  first  calculate  the  filter's  coeffi- 
cients, h(m),  in  order  to  implement  equation  2.  The  two  most  com- 
mon design  methods  include  "windowing"  and  the  Remez  Ex- 
change algorithm.  For  almost  95%  of  design  examples,  Remez  Ex- 
change results  in  a  significantly  more  efficient  filter.  The  Remez 
Exchange  algorithm  has  also  been  coded  in  Fortran,  and  is  avail- 
able from  Analog  Devices,  as  noted  below. 

Windowing  methods  are  useful,  however,  because  of  their  simplic- 
ity, and  because  they  also  aid  in  understanding  filtering  methods, 
so  they  are  well  worth  examining.  Keep  in  mind,  though,  that  FIR 
designs  developed  through  windowing  do  not  perform  as  well  as 
those  obtained  through  other  methods  (see  Ref.  7,  for  instance). 

Consider  the  case  of  an  FIR  lowpass  filter  with  stopband  attenu- 
ation greater  than  50  dB,  normalized  passband  cutoff  frequency 
(fp)  of  0.2,  and  normalized  stopband  cutoff  frequency  of  0.3.  Fig- 
ure 4  plots  the  filter's  ideal  transfer  function,  H(f).  You  can  obtain 
the  Fourier  series  coefficients  by  solving  the  inverse  Fourier  trans- 
form by  equations  3. 
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Figure  5a  shows  the  resulting  set  of  h(n),  which  extend  to  ±  infin- 
ity. You  next  multiply  the  Fourier  coefficients  by  one  of  several 
window  or  weighting  functions,  as  illustrated  by  Figure  Sb  and  5c. 
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Figure4.  Idealized  low-pass filtertransferfunction 
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Figure  5.  In  the  window  method,  a  filter's  Fourier  coeffi- 
cients (a)  multiply  a  weighting  function  (b)  resulting  in  (c). 

The  weighting  function  is  equal  to  zero  above  and  below  some 
value,  v,  which  depends  on  the  number  of  filter  taps,  N.  Multiply- 
ing the  Fourier  coefficients  by  the  weighting  function  generates  a 
finite  impulse  response  approximation  to  the  desired  transfer  func- 
tion, H(f).  This  guarantees  that  the  Fourier  series  will  converge. 

Although  several  weighting  functions  will  work,  Figure  5b  plots 
the  widely  used  Hamming  window.  Others  include  the  Kaiser, 
Blackman,  and  Hanning  windows  (see  Ref.  1  ).  After  you  choose 
your  window,  you  can  determine  the  number  of  coefficients  or  fil- 
ter taps,  N,  from  the  desired  rolloff  band,  Af  =  fs  —  fp.  For  the 
Hamming  window,  this  rolloff  bandwidth  relates  to  filter  taps,  N, 
by  the  conservative  approximation: 

Af-4/N  (4) 

For  this  design  example, 

Af  =  fs  -  fp  =  (0.3  -  0.2)  =  0.1. 

Thus,  N  =  4/0. 1  =  40.  This  approximation  usually  yields  2  to  5 
more  taps  than  needed,  so  specify  N  as  36. 

Next,  you  obtain  the  filter  coefficients,  h'(n),  of  Figure  5c  by  multi- 


plying each  h(n)  by  the  corresponding  weighting  function  w(n)  of 
Figure  5b.  Since  the  coefficients  are  symmetrical  about  0,  you  need 
only  compute  their  absolute  values  (i.e.,  half  the  coefficients).  The 
coefficients  describe  the  windowed  function,  of  the  form  (sin  x)/x, 
which  is  the  Fourier  transform  of  the  low  pass  filter  of  Figure  4. 

Remez  Exchange  Design 

For  most  FIR  applications,  the  Remez  Exchange  algorithm  offers 
a  more-powerful  design  technique  than  the  windowing  method.* 
The  Remez  Exchange  algorithm  designs  an  optimal  FIR  filter  as 
defined  by  the  minimax  error  criterion  (Ref.  7  ).  The  minimax 
criterion  specifies  a  filter  that,  for  a  given  number  of  coefficients, 
minimizes  the  maximum  ripple  in  the  passband. 
In  general,  for  a  given  set  of  filter  specifications,  the  Remez 
Exchange  algorithm  quickly  generates  an  FIR  design  with  the 
smallest  possible  number  of  filter  coefficients,  particularly  in  com- 
parison to  the  results  of  the  windowing  method.  Also,  passband 
ripples  all  have  equal  amplitude,  as  do  all  stopband  ripples.  You 
designate  the  ratio,  K,  of  stopband  to  passband  ripple,  as  noted 
above. 

The  Fortran-coded  Remez  Exchange  algorithm  is  easy  to  use.  Con- 
sider, for  instance,  the  case  of  an  FIR  low-pass  filter  with  the  fol- 
lowing specifications: 

Sample  rate  =  50  kHz 

fp  (actual)  =  10  kHz,  fp  (normalized)  =  0.2 

fs  (actual)  =  14  kHz,  fs  (normalized)  =  0.28 

minimum  stopband  attenuation  =  40  dB 

maximum  passband  ripple  =  0.2  dB 

ripple  ratio  K  =  1  (equal  ripple  in  pass- and  stop-bands) 

The  Fortran  program  then  prompts  the  user  for  inputs  using  five 
consecutive  lines: 
Line  1 : 

FILT  =    number  of  filter  taps  or  coefficients.  Set  this  equal 

to  zero  if  the  filter  order  (number  of  taps)  is  not 
known,  as  in  this  design  example. 

JTYPE  =  type  of  filter  (set  to  1  for  low-pass,  high-pass,  or 
band-pass  filters). 

NBANDS  =  number  of  pass-bands  plus  stop-bands  in  the 
filter.  For  a  low-pass  filter  or  a  high-pass  filter  as 
in  this  example,  NBANDS  =  2.  A  band-pass  fil- 
ter has  NBANDS  =  3. 

JPUNCH     =    (normally  set  to  zero). 

LGRID  =  number  of  frequency  points  used  in  the  Remez 
Exchange  algorithm.  For  most  applications,  such 
as  in  this  example,  LGRID  m  16  suffices.  For 
high-performance  filters  with  more  than  50  taps, 
set  LGRID  to  32. 

Line  2: 

Line  2  contains  the  normalized  frequencies  of  the  pass-band  and 
stop-band  edges.  The  number  of  values  here  equals  twice  the 
number  of  bands.  For  the  case  of  the  low-pass  filter  specified 
above,  the  pass-band  ranges  from  0.0  to  0.2  in  normalized  fre- 
quency, and  the  stop-band  edge  spans  0.28  to  0.5  in  normalized 
frequency.  Line  2  therefore  carries  these  four  numbers  for  this  de- 
sign example. 

Line  3 : 

Line  3  specifies  the  magnitude  of  the  desired  transfer  function, 
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Vou/Vin,  in  each  band.  In  this  example,  the  low-pass  filter  has  unity 
gain  in  the  pass-band,  and  zero  gain  in  the  stop-band,  so  Line  3 
contains  the  numbers  1, 0. 

Line  4: 

Line  4  specifies  the  desired  relative  weights  of  the  two  bands.  For 
this  example,  specify  stop-band  ripple  equal  to  pass-band  ripple, 
denoted  by  a  1 , 1  on  Line  4. 

Line  5: 

You  need  Line  5  only  if  the  number  of  filter  taps  needed  is  un- 
known -  as  in  this  example  (NFILT  =  0).  This  line  specifies  the 
desired  pass-band  and  stop-band  ripple  in  dB.  The  program  then 
estimates  the  number  of  required  filter  taps  NFILT.  Assume  in  this 
case  that  passband  ripple  does  not  exceed  0.2  dB,  and  that  stop- 
band  attenuation  is  40.0  dB.  Line  5  therefore  includes  the  numbers 

0.  2  and  40.0. 

With  these  inputs,  the  Fortran  program  estimates  the  filter  order 
(number  of  taps)  by  approximating  design  relationships  between 
the  filter  parameters  (Refs.  5  and  6).  The  result  usually  falls  within 
four  taps  of  the  correct  number  needed. 

Figure  6  illustrates  a  typical  computer  result.  The  "filter  length," 
determined  by  approximation  as  noted  above,  equals  24  taps.  The 
"impulse  response"  gives  the  filter  coefficients,  and  the  next  few 
lines  of  Figure  6  simply  repeat  the  program  input  values  for  band 

1,  the  pass-band,  and  band  2,  the  stop-band.  The  "desired  value" 
indicates  the  desired  filter  transfer  functions  in  the  pass-  and  stop- 
bands.  The  "weighting"  of  the  ripples  is  1.00  in  the  passband  and 
1.00  in  the  stopband.  The  "deviation"  is  the  ripple  in  each  band, 
which  equals  0.011  in  the  passband  and  0.011  in  the  stopband. 
The  "deviation  in  dB"  represents  the  decibel  value  of  the  "devia- 
tion" numbers.  "Extremal  frequencies"  denotes  frequencies  at 
which  maximum  passband  and  stopband  ripple  occurs. 
.•.••••••••I****......*.........*.....**..,.,,  ...«,..„», 

FINITE   IMPULSE  RESPONSE  (FIR) 
LINEAR  PHASE  DIGITAL  FILTER  DESIGN 
REMEZ  EXCHANGE  ALGORITHM 

BA0DPASS  FILTER 

FILTER  LENGTH  =  2* 

FILTER  LENGTH  DETERMINED  BY  APPROXIMATION 


*****    IMPULSE  RESPONSE 


21  = 
31  " 
H(       4)  = 


M(    12)  = 


-0. 1074B326E-01 
-0. 18704067E-02 
0.  15714122E-01 
0.47213142E-0Z 
-0.25240O39E-01 
-0, 13135B24E-01 
0.41533310E-01 
0.28864330E-01 
-0.69702514E-01 
-0.71426094E-01 
0. 1S0B1354E+00 
0 . 43491969E+00 


23) 
22) 
21) 
20) 
19) 
IB) 
17) 
16) 
IS) 
14) 
13) 


LOWER  BAND  EDGE 
UPPER  BAND  EDGE 
DESIRED  VALUE 
WEIGHTING 
DEVIATION 
DEVIATION   IN  DB 


BAND  1 

0 . 000000000 
0 . 200000003 
1 .000000000 
1 . 000000000 
0.011113B27 


BAND  2 

0.26000000'! 

0.  500000000 
. 000000000 
.000000000 
.011 1 13B27 


0.193075284  -39.082729340 


EXTREMAL  FREQUENCIES 

0.0000000       0.041GSG7  0.0807292 

0.1875001        0.2000000  0.2800000 

0.3607289       0.3987912  0.44)4577 


0.1197918 
O . 2930208 


O.J  582500 
0.3216665 


»**»********************************************#********♦#**- 

Figure  6.  Remez  Exchange  program  output  with  NFILT  in- 
itially =  0. 


This  initial  computer  run,  with  N  =  24,  results  in  passband  ripple 
of  0.19  dB,  and  stopband  attenuation  of  39.08  dB,  which  do  not 
meet  the  design  specifications.  Repeating  the  computer  run,  with 
successively  higher  values  for  N,  leads  to  the  acceptable  results  of 
Figure  7,  for  N  equal  to  27. 

Hardware  Design 

Once  fully  defined,  your  filter  can  be  readily  implemented  in  hard- 
ware. Figure  8  is  a  functional  diagram  of  a  system  implementing 
the  27-tap  filter  defined  above,  assuming  16-bit  words.  The 

tradeoffs  in  selecting  word  size  will  be  discussed  later. 
*•«•*••************•••*******•«*****••«••*•••»«*»**•***•«*** 

FINITE   IMPULSE  RESPONSE  (FIR) 
LINEAR  PHASE  DIGITAL  FILTER  DESIGN 
REMEZ  EXCHANGE  ALGORITHM 

BANDPASS  FILTER 

FILTER  LENGTH   -  27 


»..*.  IMPULSE 

RESPONSE  .*.«. 

H( 

1  ) 
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HI 
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HI 
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HI 
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HI 
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H( 
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HI 

21  > 

M( 

8) 

0. 1461709BE-01 

HI 
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HI 

9) 

0.5031990SE-01 

HI 
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H< 
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-0. 172B9791E-01 

HI 
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HI 

1 1 ) 

-0.97608425E-01 

HI 
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HI 

12) 

0. 19059505E-01 

HI 

16) 

HI 

13) 

0.31539205E+00 

HI 

15) 

HI 

14) 

0.4B032S77E+00 

HI 

14) 

LOWER  BAND  EDGE 
UPPER  BAND  EDGE 
DESIRED  VALUE 
WEIGHTING 
DEVI  AT  ION 
DEVIATION   IN  DB 


BAND  1 

0.000000000 
0.Z00000003 
1 .000000000 
1 .000000000 
0.00BB34021 
0. 1534B6403 


BAND  2 

0.280000001 
O . 500000000 
0.000000000 
1 .000000000 
0.008834021 
-41 .076831818 


EXTREMAL  FREQUENCIES 

0.0000000       0.0446429  0.084B214 

0.1675001       0.2000000  0.2800000 

0.3514283       0.3871424  0.42508B7 


.1250000  0.1607'43 
.2911607  0.3179463 
.4630350  0.5000000 


«»**«»»**»*******************»*********»»**»»*»**»«******♦ 

Figure  7.  Remez  Exchange  program  output,  N  =  27  taps. 

The  anti-aliasing  filter  of  Figure  8  minimizes  high-frequency  signal 
and  noise  components  reaching  the  a/d  converter.  In  many  cases, 
anti-aliasing  filters  require  rolloffs  no  greater  than  6-24  dB/octave. 
The  a/d  converter  samples  the  incoming  analog  signal  at  a  rate 
equal  to  about  three  times  the  highest  input  frequency.  Although 
the  Nyquist  criterion  specifies  a  sampling  rate  of  at  least  two  times 
the  highest  frequency,  conservative  design  practice  dictates  a  fac- 
tor of  three.  The  RAM  stores  the  a/d  converter's  output.  With  a 
27-tap  filter,  you  will  need  27  RAM  locations,  each  16-bits  wide. 


Figure  8.  Digital  FIR  filter  system  functional  block  diagram. 
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A  PROM  stores  the  filter  coefficients  determined  earlier.  You  may 
need  RAM,  instead  of  a  PROM,  particularly  if  you  wish  to  imple- 
ment an  adaptive  filter.  The  number  of  PROM  locations  equals  the 
number  of  different  filter  coefficients.  Because  of  symmetry,  an 
FIR  filter  has  N/2  different  coefficients  for  N  even  (N  is  the  number 
of  taps),  and  (1  +  N)/2  coefficients  for  N  odd.  A  27-tap  filter 
therefore  requires  a  PROM  with  141 6-bit  locations. 

The  clock  and  counter  step  through  the  RAM  and  PROM,  present- 
ing coefficients  and  input  values  to  the  multiplier.  The  multiplier/ 
accumulator  combination  performs  the  multiplication  and  addi- 
tion as  specified  by  equation  2,  and  thus  forms  the  heart  of  the  dig- 
ital filter. 

Analog  Devices  offers  a  variety  of  multiplier/accumulator  ICs 
which  considerably  simplify  such  digital  filter  implementations. 
The  ADSP-1010*,  for  instance,  multiplies  two  16-bit  numbers  and 
accumulates  the  products  in  a  35-bit  accumulator,  which  includes 
3  bits  of  extended  precision  to  accomodate  overflows  resulting 
from  the  addition  of  two  or  more  32-bit  products. 

Hardware  Details 

As  a  first  step  in  implementing  a  detailed  design,  convert  the  filter 
coefficients  to  1 6-bit  fixed-point  or  block-floating  point  numbers. 
In  fixed-point  arithmetic,  for  instance,  simply  multiply  the  coeffi- 
cients by  215. 

Next,  round  off  the  coefficients  to  the  nearest  least-significant  bit. 
Do  not  simply  truncate  the  coefficients,  since  truncation  destroys 
the  accuracy  of  the  filter  coefficients,  whereas  rounding  achieves 
performance  close  to  the  theoretical  limits  imposed  by  your  word 
length.  Store  the  rounded  1 6-bit  coefficients  in  PROM. 

You  also  must  determine  whether  a  standard  p.P  can  implement 
the  filter,  or  whether  you  will  need  a  dedicated  high-speed  multi- 
plier IC.  To  determine  the  required  computational  speed,  multiply 
the  sampling  rate  by  the  number  of  filter  coefficients. 

In  the  above  example,  a  sampling  rate  of  50  kHz  and  a  filter  with 
27  taps  requires  (50kHz  x  27)  =  1.35  million  16-bit  multiply- 
and-accumulate  operations  per  second,  or  740  nanoseconds  per 
combined  operation.  Few  microprocessors  can  handle  such  re- 
quirements; for  instance,  the  12.5-MHz  version  of  the  Motorola 
68000  performs  a  16-bit  multiplication  in  5.6  u.s.  The  Analog  De- 
vices ADSP-1010  multiplier/accumulator  (MAC),  however,  read- 
ily performs  a  multiply-and-accumulate  operation  in  only  165 
nanoseconds,  at  low  cost  and  with  low  power  consumption. 

To  ensure  proper  multiplications,  the  memory-control  circuitry 
(RAM,  PROM,  counter)  must  retrieve  the  correct  combination  of 
words  from  memory.  The  stack  and  pointers  of  Figure  9  illustrate 
one  method.  Pointer  2  directs  the  storage  of  each  new  data  point 
into  RAM.  For  each  new  sample,  the  system  computes  the  trans- 
formation by  incrementing  down  from  pointer  1  and  up  from 
pointer  3  as  follows: 

h(4)-x(n-3)  +  h(3)-x(n-2)  +  h(2)-  x(n-  1)  +  h(1)-x(n) 
+  h(6)-x(n-5)  +  h(5)-x(n-4). 

After  computing  each  sample,  pointers  2  and  3  increment;  the 
pointers  reset  when  they  reach  the  stack  boundary.  Figure  9b  de- 
tails the  operation. 

Next,  decide  how  to  handle  accumulator  overflow.  When  a  filter 
performs  its  multiply-and-accumulate  operations,  the  number  of 
bits  in  the  accumulator  will  certainly  exceed  the  32-bit  resolution 


of  a  single  1 6  x  16-bit  multiplication.  To  handle  overflow,  first  cal- 
culate a  reasonable  upper  bound  for  the  amount  of  overflow  your 
filter  could  experience.  By  summing  the  squares  of  the  filter  coeffi- 
cients, you  can  estimate  a  reasonable  level  of  overflow.  Compare 
this  number  to  the  maximum  the  accumulator  can  handle. 

You  can  handle  accumulator  overflow  in  one  of  several  ways.  The 
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h|S) 

«|n-5J 
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xln-41 

POINTER 2 
(MOVING! 


(start) 


INITALIZE  THE  DATA  RAM  TO  ZERO 

x(n)  =  0.  x(n-1}  =  0  x|n-5)  =  0 


X 


INITIALIZE  POINTERS: 
POINTER  1.  PI.  POINTS  TO  TOP  OF  DATA  RAM  [FIXED] 


READ  VALUE  FROM  A  TO  D  CONVERTER 
INTO  THE  DATA  RAM  -  THIS  VALUE  IS  x(n|. 
STORE  IN  DATA  RAM  LOCATION  POINTED  TO 
8Y  P2 


PERFORM  THE  FOLLOWING  MULTIPLICATIONS 
(PD-IP31 


(PI  +  5I-IP3-5) 


NOTE  1 :  THE  NOTATION  (PI)  MEANS  THE  CONTENTS  OF  THE 
LOCATION  POINTED  TO  BY  POINTER  PI . 

NOTE  2;  WHEN  YOU  REACH  A  STACK  BOUNDARY  IFOR  EXAMPLE 
IF  P3-3  POINTS  TO  H(  1 1).  THEN  P3-4  WILL 
WRSP-AROUND  THE  COEFFIClENTSTACK  TO 


PERFORM  SUM  OF  ABOVE  MULTIPLIES 


J 


INCREMENT  P3 
INCREMENT  P2 


NOTE  3:  IF  THESE  POINTERS  EXCEED  THE  STACK  BOUNDARY. 
THEN  RESET  THE  POINTERS  TO  THE  BEGINNING 


Figure  9.  Filter  uses  pointers  (a)  to  compute  convolution  as 
outlined  in  (b). 

precision  in  addition  to  the  32  bits  needed  to  handle  a  single 
16  x  16-bit  multiplication.  This  suffices  for  most  applications. 
Alternatively,  you  can  scale  down  the  coefficients,  from  1  to  5  bits, 
at  the  sacrifice  of  some  accuracy.  To  scale  them  down,  divide  them 
by  2  and  apply  the  overflow  test  described  above.  Continue  the 
process  until  the  scaled  coefficients  pass  the  overflow  test. 

Finally,  for  some  applications,  you  may  not  want  to  accomodate 
the  full  dynamic  range  of  the  input  signal.  Therefore,  just  let  the 
accumulator  saturate  at  its  maximum  value. 

Occasionally,  required  multiply/accumulate  speeds  exceed  the 
capabilities  of  even  the  fastest  MAC  ICs.  In  that  case,  you  can  com- 
bine two  or  more  processors  in  parallel  to  increase  the  throughput. 
The  circuit  of  Figure  10  combines  two  ADSP-1010  MACs  oper- 
ating in  parallel,  thus  cutting  the  multiply/accumulate  time  per 
computed  point  to  75  nanoseconds,  which  is  one-half  the  normal 
1 50  nanoseconds  for  a  single  such  component. 

Avoid  Rounding  and  Roundoff  Errors 

Most  digital  filter  hardware  errors  result  from  two  sources  - 
rounding  and  roundoff.  Rounding  errors  result  from  the  rounding 
of  filter  coefficients,  such  as  those  generated  in  Figures  6  and  7, 
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OUTPUT  Y(n) 


Figure  10.  Paralleling  two  multiplier/accumulators  doubles 
throughput. 

by  a  high  precision  mainframe  computer,  to  the  16-bits  of  typical 
digital  filter  hardware  implementations.  As  noted  earlier,  round- 
ing produces  less  error  than  truncating,  but  error  nonetheless. 
Roundoff  errors  result  from  consecutive  finite  precision  multiply- 
and-accumulates.  Roundoff  errors  are  more  significant  than 
rounding  errors,  particularly  in  high-order  filters. 
Estimating  the  required  word  size  to  avoid  such  errors  can  prove 
tricky.  Generally,  if  your  design  calls  for  more  than  67  dB  of  stop- 
band  attenuation  or  less  than  0.05  dB  of  passband  ripple,  16-bit 
words  may  lead  to  excessive  errors.  Such  cases  may  require  24,  and 
sometimes  even  32-bit,  word  lengths.  Software  simulation,  dis- 
cussed in  a  following  section,  can  help  you  determine  word-length 
requirements  before  you  commit  your  design  to  hardware. 
To  illustrate  the  significance  of  these  errors,  Figure  1 1  compares 
simulated  performance  of  16-bit  fixed-point  and  32-bit  floating- 
point 27-tap  low  pass  filters.  Although  the  errors  appear  slight  in 
this  case,  a  similar  comparison  in  Figure  12  for  a  90-tap  filter 
shows  dramatic  differences.  For  more  than  80  dB  of  stop-band  at- 
tenuation with  90  taps,  more  than  1 6  bits  of  precision  are  needed. 

Software  Simulations 

The  flow  chart  of  Figure  13  shows  a  typical  software  program  for 
simulating  the  performance  of  your  digital  filter  with  a  high-reso- 
lution computer.  You  can  obtain  from  Analog  Devices  a  Fortran- 
coded  version  of  this  program  for  simulating  16-bit  FIR  designs, 
employing  the  ADSP-1010  16  x  16-bit  multiplier/accumulator.  It 
is  available  from  the  DSP  Marketing  Group,  under  the  name,  "FIR 
1 6-bit  simulation  program." 

The  simulation  repeats  the  steps  in  the  hardware  design  process. 
It  begins  by  obtaining  the  filter  coefficients  h{n)  from  the  Remez- 
Exchange  computer  program,  checks  for  overflow  and  scales  the 
coefficients,  and  obtains  the  16-bit  fixed-point  or  floating-point 
coefficients,  normally  stored  in  PROM. 

The  program  next  simulates  a  digitized  input  signal  array,  x(n), 
which  corresponds  to  the  output  of  the  A/D  converter,  normally 
stored  in  RAM.  The  number  of  values  in  the  array  equals  the 
number  of  filter  taps.  Normally,  you  should  begin  the  simulation 
with  a  cosine  wave  of  frequency  0  Hz,  and  work  you  way  up  to 
higher  frequencies. 

The  arithmetic  operations  of  the  multiplier/accumulator  combina- 
tion are  readily  simulated.  The  simulation  program  restricts  the 
computer's  word  size  to  correspond  to  the  limited  precision  ( 1  6 
bits)  of  your  filter's  hardware  implementation.  In  Fortran,  for  ex- 
ample, the  INTEGERS  or  INTEGERM  variable  type  declara- 
tions handle  this  for  you. 

The  simulation  program  also  includes  an  accumulator  overflow 
check  to  verify  the  effectiveness  of  the  initial  coefficient  scaling  op- 
eration. If  the  computer  flags  an  accumulator  overflow,  >  ou'll  have 


Z7-TAP  FIR  FILTER 
.883%  PASSBAND  RIPPLE 
FREQ-  (PASS)  =  .200 
FHEO  (STOP!  =  -280 


27-TAP  FIR  FILTER 
.883%  PASSBAND  RIPPLE 
FREQ.  {PASS!  =  200 
FREQ.  (STOP)  =  .280 
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Figure  11.  Computer-simulated  response  of  a  27-tap  low 
pass  FIR  filter  using  32-bit  arithmetic  (a),  and  16-bit  arithme- 
tic lb). 

25  001 

90-TAP  FIR  FILTER 
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=  (ACTUAL  FREQ .  I  /( S AMPLI NG  FR„.. 

Figure  12.  Computer  simulated  response  of  a  90-tap  low 
pass  FIR  filter  using  32-bit  arithmetic  (a),  and  1 6-bit  arithme- 
tic (b). 
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FREQUENCY  f, 
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w  n  =  1. 2  N 


J 


Figure  13.  FIR  filter  simulation  program  flowchart, 
to  scale  down  the  coefficients  again  and  re-run  the  simulation. 

The  program  next  computes  the  filter  output  values,  y(n),  by  set- 
ting up  a  loop  to  calculate  the  transformation  of  equation  2.  For 
each  cosine  input,  the  program  computes  N  values  of  y(n),  where 
N  is  the  number  of  filter  taps. 

The  program  next  finds  the  magnitude  of  the  filter's  output  (and 
therefore  the  magnitude  of  the  filter's  transfer  function  at  that  fre- 
quency), by  choosing  the  largest  absolute  value  from  the  y(n) 
array.  This  usually  comes  very  close  to  the  actual  magnitude  of 
y(n).  But  if  you  need  better  accuracy,  you  can  pass  the  N  points 
of  the  y(n)  signal  through  a  curve-fitting  algorithm  which  gener- 
ates a  continuous-time  signal,  y(t). 

Once  the  program  computes  the  output  for  a  cosine  wave  of  0  Hz, 
it  can  calculate  outputs  for  a  range  of  frequencies.  You  usually 
want  it  to  sweep  from  0  Hz  to  just  below  the  Nyquist  frequency 
of  0.5  (normalized),  in  normalized-frequency  increments  of  0.001 . 
The  resulting  plot  simulates  your  filter's  transfer  function.  If  the 
plot  meets  your  expectations,  you  can  proceed  with  the  construc- 
tion of  the  hardware.  Q 

Portions  of  this  article  are  adapted  from  an  article  by  the  same  authors, 
which  appeared  in  EDN,  March  3,  1983,  copyrighted  by  Cahners  Pub- 
lishing Company,  Division  of  Reed  Holdings,  Inc,  with  permission  of 
the  copyright  owner. 

FOR  FURTHER  READING 

Analog  Dialogue,  Volume  17,  Number  1  (1983)  carried  a  review 
article  summarizing  the  uses  of  multiplier/accumulator  ICs  in  a  va- 
riety of  DSP  applications.  Analog  Devices  has  also  collected  a  re- 
cently published  series  of  5  articles  comprising  cookbook  designs 
applying  DSP  to  various  common  filtering,  and  control  applica- 
tions. If  you  would  like  reprints  of  this  set  of  articles,  use  the  reply 
card;  ask  for  "EDN  series." 


Jolin  Oxaal,  "Temporal  Averaging  Techniques  Reduce  Image 
Noise,"  EDN,  March  17, 1983,  pp.  21 1-215. 
John  Oxaal,  "DSP  Hardware  Improves  Multiband  Filters,"  EDN, 
March31, 1983,  pp.  193-197. 

Bill  Windsor,  and  Paul  Toldalagi,  "Simplify  FIR-Filter  Design 
With  a  Cookbook  Approach,"  EDN,  March  3,  1983,  pp.  119- 
128. 
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FILTER  TERMINOLOGY 

Attenuation  -  A  decrease  in  output  signal  magnitude  relative  to 
input  signal  magnitude. 

Cutoff  frequency  -  The  frequency  at  which  the  filter's  response 
drops  below  the  specified  pass-band  ripple  (1-5!). 
Pass-band  -The  filter  frequency  range  through  which  signals  pass 
without  more  than  a  specified  amount  of  attenuation. 
Stop-band  -  The  filter  frequency  range  through  which  signals  ex- 
perience a  specified  degree  of  attenuation. 

Stop-band  attenuation  -  The  minimum  amount  of  attenuation  in 
the  stop-band. 

Pass-band  ripple  -The  maximum  deviation  from  the  desired  out- 
put magnitude  in  the  pass-band. 

Sampling  rate  -  The  rate  at  which  the  system  samples  the  input 
signal. 

Filter  coefficients  -  Numbers  representing  the  inverse  Fourier 
transform  of  the  filter's  transfer  function.  Coefficients  define  the 
filter's  characteristics  and  form  the  basis  of  digital  filter  implemen- 
tations. 

Taps  -  Taps  equal  the  number  of  sampled  input  values  processed 
by  the  filter  for  each  output  point.  Taps  also  equals  the  number 
of  filter  coefficients,  and  can  represent  a  measure  of  the  filter  delay. 
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DSP  Multirate  Filters 


MULTIRATE  FILTERS 

Multirate  filters  are  digital  filters  that  change  the  sam- 
pling rate  of  a  digitally  represented  signal.  These  filters 
convert  a  set  of  input  samples  to  another  set  of  data  that 
represents  the  same  analog  signal  sampled  at  a  different 
rate.  A  system  incorporating  multirate  filters  (a  multirate 
system)  can  process  data  sampled  at  various  rates. 

Some  examples  of  applications  for  multirate  filters  are: 

•  Sample-rate  conversion  between  digital  audio  systems 

•  Narrow-band  low-pass  and  band-pass  filters 

•  Sub-band  coding  for  speech  processing  in  vocoders 

•  Transmultiplexers  for  TDM  (time-division  multiplex- 
ing) to  FDM  (frequency-division  multiplexing) 
translation 

•  Quadrature  modulation 

•  Digital  reconstruction  filters  and  antialias  filters  for 
digital  audio,  and 

•  Narrow-band  spectra  calculation  for  sonar  and  vibra- 
tion analysis. 

The  two  types  of  multirate  filtering  processes  are  deci- 
mation and  interpolation.  Decimation  reduces  the  sam- 
ple rate  of  a  signal.  It  eliminates  redundant  or 
unnecessary  information  and  compacts  the  data,  allow- 
ing more  information  to  be  stored,  processed,  or  trans- 
mitted in  the  same  amount  of  data.  Interpolation 
increases  the  sample  rate  of  a  signal.  Through  calcula- 
tions on  existing  data,  interpolation  fills  in  missing  infor- 
mation between  the  samples  of  a  signal.  Decimation 
reduces  a  sample  rate  by  an  integer  factor  M,  and  inter- 
polation increases  a  sample  rate  by  an  integer  factor  L. 
Non-integer  rational  (ratio  of  integers)  changes  in  sam- 
ple rate  can  be  achieved  by  combining  the  interpolation 
and  decimation  processes. 

The  ADSP-2100  programs  in  this  application  note  dem- 
onstrate decimation  and  interpolation  as  well  as  efficient 
rational  changes  in  sample  rate.  Cascaded  stages  of  dec- 
imation and  interpolation,  which  are  required  for  large 
rate  changes  (large  values  of  L  and  M)  and  are  useful  for 
implementing  narrow-band  low-pass  and  band-pass 
filters,  are  also  demonstrated. 


Decimation 

Decimation  is  equivalent  to  sampling  a  discrete-time 
signal.  Continuous-time  (analog)  signal  sampling  and 
discrete-time  (digital)  signal  sampling  are  analogous. 

Decimation  Filter  Structure 

The  decimation  algorithm  can  be  implemented  in  an  FIR 
(Finite  Impulse  Response)  filter  structure.  The  FIR  filter 
has  many  advantages  for  multirate  filtering  including: 
linear  phase,  unconditional  stability,  simple  structure, 
and  easy  coefficient  design.  Additionally,  the  FIR  struc- 
ture in  multirate  filters  provides  for  an  increase  in  com- 
putational efficiency  over  MR  structures.  The  major 
difference  between  the  IIR  and  the  FIR  filter  is  that  the  IIR 
filter  must  calculate  all  outputs  for  all  inputs.  The  FIR 
multirate  filter  calculates  an  output  for  every  Mth  input. 
For  a  more  detailed  description  of  the  FIR  and  IIR  filters, 
refer  to  Crochiere  and  Rabiner,  1983. 

The  impulse  response  of  the  anti-imaging  low-pass 
filter  is  h(n).  A  time-series  equation  filtering  x(n)  is  the 
convolution 


where  N  is  the  number  of  coefficients  in  h(n).  N  is  the 
order,  or  number  of  taps,  in  the  filter.  The  application  of 
this  equation  to  implement  the  filter  response  H(e|w) 
results  in  an  FIR  filter  structure. 

Figure  1a,  shows  the  signal  flowgraph  of  an  FIR  decima- 
tion filter.  The  N  most  recent  input  samples  are  stored  in 
a  delay  line;  z-1  is  a  unit  sample  delay.  N  samples  from 
the  delay  line  are  multiplied  by  N  coefficients  and  the 
resulting  products  are  summed  to  form  a  single  output 
sample  w(n).  Then  w(n)  is  down-sampled  by  M  using  the 
rate  compressor. 

It  is  not  necessary  to  calculate  the  samples  of  w(n)  that 
are  discarded  by  the  rate  compressor.  Accordingly,  the 
rate  compressor  can  be  moved  in  front  of  the  multiply/ 
accumulate  paths,  as  shown  in  Figure  1b.  This  change 
reduces  the  required  computation  by  a  factor  of  M.  This 
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ADSP-2100  Decimation  Algorithm 

Figure  2  shows  a  flowchart  of  the  decimation  fill 
rithm  used  for  the  ADSP-2100  routine.  The  decimator 
calculates  one  output  for  every  M  inputs  to  the  delay 
line. 
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Figure  1.  FIR  Form  Decimation  Filter 


filter  structure  can  be  implemented  by  updating  the  de- 
lay line  with  M  inputs  before  each  output  sample  is 
calculated. 

Substitution  of  the  relationship  between  w(n)  and  y(m) 
into  the  convolution  results  in  the  decimation  filtering 
equation 


ylm)  =  2  h[k)x{Mm-k) 

k  =  0 

Some  of  the  implementations  shown  in  textbooks  on 
digital  filters  take  advantage  of  the  symmetry  in  trans- 
posed forms  of  the  FIR  structure  to  reduce  the  number  of 
multiplications  required.  However,  such  a  reduction  of 
multiplications  results  in  an  increased  number  of  addi- 
tions. In  this  application,  because  the  ADSP-2100  is 
capable  of  both  multiplying  and  accumulating  in  one 
cycle,  trading  off  multiplication  for  addition  is  a  useless 
technique. 


NO 


AT  INPUT  SAMPLE  RATE 


DM  (ADATA,1)  =  INPUT 
COUNTER  =  COUNTER  -1 


FILTER  N-1  COEFFS 
OUTPUT  SAMPLE 
COUNTER  =  M 


Figure  2.  Decimator  Flowchart 

External  hardware  causes  an  interrupt  at  the  input  sam- 
ple rate  Fs,  which  triggers  the  program  to  fetch  an  input 
data  sample  and  store  it  in  the  data  circular  buffer.  The 
index  register  that  points  into  this  data  buffer  is  then 
incremented  by  one,  so  that  the  next  consecutive  input 
sample  is  written  to  the  next  address  in  the  buffer.  The 
counter  is  then  decremented  by  one  and  compared  to 
zero.  If  the  counter  is  not  yet  zero,  the  algorithm  waits 
for  another  input  sample.  If  the  counter  has  decre- 
mented to  zero,  the  algorithm  calculates  an  output  sam- 
ple, then  resets  the  counter  to  M  so  that  the  next  output 
will  be  calculated  after  the  next  M  inputs. 

The  output  is  the  sum  of  products  of  N  data  buffer 
samples  in  a  circular  buffer  and  N  coefficients  in  another 
circular  buffer.  Note  that  M  input  samples  are  written 
into  the  data  buffer  before  an  output  sample  is  calcu- 
lated. Therefore,  the  resulting  output  sample  rate  is 
equal  to  the  input  rate  divided  by  the  decimation  factor: 
Fs'  =  Fs/M. 

For  additional  information  on  the  use  of  the  ADSP- 
2100's  address  generators  for  circular  buffers,  see  the 
ADSP-2100  User's  Manual,  Chapter  2. 

The  ADSP-2100  program  for  the  decimation  filter  is 
shown  in  Listing  1 .  Inputs  to  this  filter  routine  come  from 
the  memory-mapped  port  adc,  and  outputs  go  to  the 
memory-mapped  port  dac.  The  filter's  I/O  interfacing 
hardware  is  described  in  more  detail  later  in  this 
application  note. 
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{DECIMATE. dsp 

Real  time  Direct  Form  FIR  Filter,  N  taps,  decimates  by  M  for  a  decrease  of  1/M  times  the  input  sample  rate. 


INPUT:  adc 
OUTPUT:  dac 


} 

.MODULE/RAM/ABS  =  0 
.CONST 
.CONST 

.VAR/PM/RAM/CIRC 
.VAR/DM/RAM/CIRC 
.VAR/DM/RAM 
.PORT 
.PORT 
.INIT 


decimate; 
N=300; 
M=4; 
coef  [N]; 
data  [N]; 
counter; 
adc; 
dac; 

coef:<coef.dat>; 
RTI; 
RTI; 
RTI; 

JUMP  sample; 

IMASK=b#0000; 
ICNTL=b#01111; 
SI  =  M; 

DM(counter)=  SI; 
|4=-COef- 
L4=%coef; 
M4=1; 
I0="data; 
L0=%data; 
M0=1; 

IMASK=b#1000; 
waitjnterrupt:  JUMP  wait_interrupt; 

{  Decimator,  code  executed  at  the  sample  rate 

sample:  AY0=DM(adc); 

DM(I0,M0)=AY0; 

AYO=DM(counter); 

AR=AY0-1; 

DM(counter)=AR; 


(decimate  by  factor  of  M} 


initialize: 


(interrupt  0} 
{interrupt  1} 
{interrupt  2} 

{interrupt  3=  input  sample  rate) 

{disable  all  interrupts) 
{edge  sensitive  interrupts} 
{set  decimation  counter  to  M} 
{for  first  input  data  sample} 
{setup  a  circular  buffer  in  PM} 

{modifier  for  coef  is  1} 
{setup  a  circular  buffer  in  DM} 

{modifier  for  data  is  1} 
{enable  interrupt  3} 
{infinite  wait  loop} 

 } 


{update  delay  line  with  newest} 
{decrement  and  update  counter} 


{_ 


dojir: 


IF  NE  RTI;  {test  and  return  if  not  M  times} 

code  below  executed  at  1/M  times  the  sample  rate  } 

AR=M;  {reset  the  counter  to  M} 


taploop: 


.ENDMOD; 


DM(counter)=AR; 
CNTR  =  N  -  1; 

MR  =  0,  MX0  =  DM(I0,M0),  MY0  =  PM(I4,M4); 
DO  taploop  UNTIL  CE;  {N-1  taps  of  FIR} 

MR  =  MR  +  MX0'MY0(SS),  MX0=DM(I0,M0),  MY0=PM(I4,M4); 
MR=MR+MX0*MY0(RND);      {last  tap  with  round} 
IF  MV  SAT  MR;  {saturate  result  if  overflow} 

DM(dac)=MR1;  {output  data  sample} 

RTI; 

Listing  1.  Decimation  Filter 


The  routine  uses  two  circular  buffers,  one  for  data  sam- 
ples and  one  for  coefficients,  that  are  each  N  locations 
long.  The  coef  buffer  is  located  in  program  memory  and 
stores  the  filter  coefficients.  Each  time  an  output  is  cal- 
culated, the  decimator  accesses  all  these  coefficients  in 
sequence,  starting  with  the  first  location  in  coef.  The  14 
index  register,  which  points  to  the  coefficient  buffer,  is 
modified  by  one  (from  modify  register  MO)  each  time  it 
is  accessed.  Therefore,  14  is  always  modified  back  to  the 
beginning  of  the  coefficient  buffer  after  the  calculation  is 
complete. 


The  FIR  filter  equation  starts  the  convolution  with  the 
most  recent  data  sample  and  accesses  the  oldest  data 
sample  last.  Delay  lines  implemented  with  circular  buff- 
ers, however,  access  data  in  the  opposite  order.  The 
oldest  data  sample  is  fetched  first  from  the  buffer  and 
the  newest  data  sample  is  fetched  last.  Therefore,  to 
keep  the  data/coefficient  pairs  together,  the  coefficients 
must  be  stored  in  memory  in  reverse  order. 
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The  relationship  between  the  address  and  the  contents 
of  the  two  circular  buffers  (after  N  inputs  have  occurred) 
is  shown  in  the  table  below.  The  data  buffer  is  located  in 
data  memory  and  contains  the  last  N  data  samples  input 
to  the  filter.  Each  pass  of  the  filter  accesses  the  locations 
of  both  buffers  sequentially  (the  pointer  is  modified  by 
one),  but  the  first  address  accessed  is  not  always  the 
first  location  in  the  buffer,  because  the  decimation  filter 
inputs  M  samples  into  the  delay  line  before  starting  each 
filter  pass.  For  each  pass,  the  first  fetch  from  the  data 
buffer  is  from  an  address  M  greater  than  for  the  previous 
pass.  The  data  delay  line  moves  forward  M  samples  for 
every  output  calculated. 


Data 

DM(0)        =  x(n-(N-1))  oldest 
DM(1)  =x(n-(N-2)) 
DM(2)  =x(n-(N-3)) 
• 

• 

DM(N-3)  =  x(n-2) 
DM(N-2)  =x(n-1) 
DM(N-1)    =  x(n-O)  newest 


Coefficient 
PM(0)  =h(N-1) 
PM(1)        =  h(N-2) 
PM(2)        =  h(N-3) 


PM(N-3) 
PM(N-2) 
PM(N-1) 


• 

=  h(2) 
m  h(1) 
=  h(0) 


A  variable  in  data  memory  is  used  to  store  the  decima- 
tion counter.  One  of  the  processor's  registers  could  have 
been  used  for  this  counter,  but  using  a  memory  location 
allows  for  expansion  to  multiple  stages  of  decimation. 

The  number  of  cycles  required  for  the  decimation  filter 
routine  is  shown  below.  The  ADSP-2100  takes  one  cycle 
to  calculate  each  tap  (multiply  and  accumulate),  so  only 
18+N  cycles  are  necessary  to  calculate  one  output  sam- 
ple of  an  N-tap  decimator.  The  18  cycles  of  overhead  for 
each  pass  is  just  six  cycles  greater  than  the  overhead  of 
a  non-multirate  FIR  filter. 


Interrupt  Response 
Fetch  Input 

Write  Input  to  Data  Buffer 
Decrement  and  Test  Counter 
Reload  Counter  with  M 
FIR  Filter  Pass 
Return  from  Interrupt 

Maximum  Total 


2  Cycles 
I  Cycle 

1  Cycle 
4  Cycles 

2  Cycles 
7+N  Cycles 
1  Cycle 

18+N  Cycles/Output 


A  More  Efficient  Decimator 

The  routine  in  Listing  1  requires  that  the  18+N  cycles 
needed  to  calculate  an  output  occur  during  the  first  of 
the  M  input  sample  intervals.  No  calculations  are  done 
in  the  remaining  M-1  intervals.  This  limits  the  number 
of  filter  taps  that  can  be  calculated  in  real  time  to: 


1 


18 


where  tCLK  is  the  instruction  cycle  time  of  the  processor. 

An  increase  in  this  limit  by  a  factor  of  M  occurs  if  the 
program  is  modified  so  that  the  M  data  inputs  overlap 
the  filter  calculations.  This  more  efficient  version  of  the 
program  is  shown  in  Listing  2. 

In  this  example,  a  circular  buffer  input_buf  stores  the  M 
input  samples.  The  code  for  loading  input_buf  \s  placed 
in  an  interrupt  routine  to  allow  the  input  of  data  and  the 
FIR  filter  calculations  to  occur  simultaneously. 

A  loop  waits  until  the  input  buffer  is  filled  with  M  sam- 
ples before  the  filter  output  is  calculated.  Instead  of 
counting  input  samples,  this  program  determines  that  M 
samples  have  been  input  when  the  input  buffer's  index 
register  10  is  modified  back  to  the  buffer's  starting  ad- 
dress. This  strategy  saves  a  few  cycles  in  the  interrupt 
routine. 

After  M  samples  have  been  input,  a  second  loop  trans- 
fers the  data  from  input_bufto  the  data  buffer.  An  output 
sample  is  calculated.  Then  the  program  checks  that  at 
least  one  sample  has  been  placed  in  inputjouf.  This 
check  prevents  a  false  output  if  the  output  calculation 
occurs  in  less  than  one  sample  interval.  Then  the  pro- 
gram jumps  back  to  wait  until  the  next  M  samples  have 
been  input. 

This  more  efficient  decimation  filter  spreads  the  calcula- 
tions over  the  output  sample  interval  1/FS'  instead  of  the 
input  interval  1/FS.  The  number  of  taps  that  can  be  cal- 
culated in  real  time  is: 


N 


M 

Fs  tcu 


-20  -  2M  -  6IM-1I 


which  is  approximately  M  times  greater  than  for  the  first 
routine. 
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{DECEFF.dsp 

Real  time  Direct  Form  FIR  Filter,  N  taps,  decimates  by  M  for  a  decrease  of  1/M  times  the  input  sample  rate.  This  version 
uses  an  input  buffer  to  allow  the  filter  computations  to  occur  in  parallel  with  inputs.  This  allows  larger  order  filter  for  a 
given  input  sample  rate.  To  save  time,  an  index  register  is  used  for  the  input  buffer  as  well  as  for  a  decimation  counter. 


INPUT:  adc 
OUTPUT:  dac 

.MODULE/RAM/ABS  =  0 

.CONST 

.CONST 

.VAR/PM/RAM/CIRC 

.VAR/DM/RAM/CIRC 

.VAR/DM/RAM/CIRC 

.PORT 

.PORT 

.INIT 

RTI; 
RTI; 
RTI; 

JUMP  sample; 
initialize: 


ait_M: 


eff_decimate; 
N  =  300; 
M=4; 
coef[N]; 
data[N]; 
input_buf[M]; 
adc; 
dac; 

coef:<coef.dat>; 
{interrupt  0} 
{interrupt  1} 
{interrupt  2} 
{interrupt  3=  input  sample  rate} 

IMASK=b#0000; 

ICNTL=b#01111; 

l4="coef; 

L4=%coef; 

M4=1; 

I0="data; 

L0=%data; 

M0=1; 

11  ="input_buf; 
L1  =%input_buf; 
IMASK=b#1000; 


{decimate  by  factor  of  M} 


{disable  all  interrupts} 
{edge  sensitive  interrupts} 
{setup  a  circular  buffer  in  PM} 

{modifier  for  coef  is  1} 
{setup  a  circular  buffer  in  DM} 

{modifier  for  data  is  1} 
{setup  a  circular  buffer  in  DM} 


AX0=I1; 
AY0="input_buf; 
AR=AX0-AY0; 
IF  NE  JUMP  waitM; 

{  code  below  executed  at  1/M  times  the  sample  rate  

CNTR=M; 

DO  load_data  UNTIL  CE; 
AR  =  DM(I1,M0); 

load_data:  DM(I0,M0)=AR; 

fir:  CNTR=N  -  1; 

MR  =  0,  MX0=DM(I0,M0),  MY0=PM(I4,M4) 


{enable  interrupt  3} 
{wait  for  M  inputs} 

{test  if  pointer  is  at  start} 


J 


taploop: 


wait_again: 


sample: 


.ENDMOD; 


DO  taploop  UNTIL  CE;  {N-1  taps  of  FIR} 

MR  =  MR  +  MX0*MY0(SS),  MX0  =  DM(I0,M0),  MY0=PM(I4,M4); 


MR  =  MR  +  MX0*MY0(RND); 
IF  MV  SAT  MR; 
DM(dac)  =  MR1 ; 

AX0=I1; 
AYO="input_buf; 
AR=AX0-AY0; 
IF  EQ  JUMP  wait  again; 
JUMP  waitjvl; 
_sample  input,  code  executed  at  the  sample  rate_ 
ENA  SEC  REG; 
AY0=DM(adc); 
DM(I1,M0)=AY0; 
RTI; 


{last  tap  with  round} 
{saturate  result  if  overflow} 
{output  data  sample} 


{test  and  wait  if  i1  still} 
{points  to  start  of  input_buf} 


J 


{so  no  registers  will  get  lost} 
{get  input  sample} 
{load  in  M  long  buffer} 


Listing  2.  Efficient  Decimation  Filter 
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Figure  3.  Decimator  Hardware 


Decimator  Hardware  Configuration 

Both  decimation  filter  programs  assume  an  ADSP-2100 
system  with  the  I/O  hardware  configuration  shown  in 
Figure  3.  The  processor  is  interrupted  by  an  interval 
timer  at  a  frequency  equal  to  the  input  sample  rate  Fs 
and  responds  by  inputting  a  data  value  from  the  A/D 
converter.  The  track/hold  (sampler)  and  the  A/D  con- 
verter (quantizer)  are  also  clocked  at  this  frequency.  The 
D/A  converter  on  the  filter  output  is  clocked  at  a  rate  of 
Fs/M,  which  is  generated  by  dividing  the  interval  timer 
frequency  by  M. 

To  keep  the  output  signal  jitter-free,  it  is  important  to 
derive  the  D/A  converter's  clock  from  the  interval  timer 
and  not  from  the  ADSP-2100.  The  sample  period  of  the 
analog  output  should  be  disassociated  from  writes  to 
the  D/A  converter.  If  an  instruction-derived  clock  is  used, 
any  conditional  instructions  in  the  program  could 
branch  to  different  length  program  paths,  causing  the 
output  samples  to  be  spaced  unequally  in  time.  The  D/A 
converter  must  be  double-buffered  to  accommodate  the 
interval-time-derived  clock.  The  ADSP-2100  outputs  data 
to  one  latch.  Data  from  this  latch  is  fed  to  a  second  latch 
that  is  controlled  by  an  interval-timer-derived  clock. 


Interpolation 

The  process  of  recreating  a  continuous-time  signal  from 
its  discrete-time  representation  is  called  reconstruction. 
Interpolation  can  be  thought  of  as  the  reconstruction  of 
a  discrete-time  signal  from  another  discrete-time  signal, 
just  as  decimation  is  equivalent  to  sampling  the  samples 
of  a  signal.  Continuous-time  (analog)  signal  reconstruc- 
tion and  discrete-time  (digital)  signal  reconstruction  are 
analogous. 

Interpolation  Filter  Structure 

Figure  4a  shows  a  block  diagram  of  an  interpolation 
filter.  The  two  major  differences  from  the  decimation 
filter  are  that  the  interpolator  uses  a  sample  rate  ex- 
pander instead  of  the  sample  rate  compressor  and  that 
the  interpolator's  low-pass  filter  is  placed  after  the  rate 
expander  instead  of  before  the  rate  compressor.  The 
rate  expander,  which  is  the  block  labeled  with  an  up- 
arrow  and  L,  inserts  L-1  zero-valued  samples  after  each 
input  sample.  The  resulting  w(m)  is  low-pass  filtered  to 
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Figure  4.  Interpolation  Filter  Block  Diagram 

produce  y(m),  a  smoothed,  anti-imaged  version  of  w(m). 
The  transfer  function  of  the  interpolator  H(k)  incorpo- 
rates a  gain  of  1/L  because  the  L-1  zeros  inserted  by  the 
rate  expander  cause  the  energy  of  each  input  to  be 
spread  over  L  output  samples. 

The  low-pass  filter  of  the  interpolator  uses  an  FIR  filter 
structure  for  the  same  reasons  that  an  FIR  filter  is  used 
in  the  decimator,  notably  computational  efficiency.  The 
convolution  equation  for  this  filter  is 


y\m) 


AI-1 

^  h{k\w[m-k) 

k  -  0 


N-1  is  the  number  of  filter  coefficients  (taps)  in  h(k), 
w(m-k)  is  the  rate  expanded  version  of  the  input  x(n), 
and  w(m-k)  is  related  to  x(n)  by 

w(m-k)  =  f  x«m-ki/L)      for  m-k  =  0,  ±L,  ±2L, .  .  . 

I  0  otherwise 
The  signal  flowgraph  that  represents  the  interpolation 
filter  is  shown  in  Figure  4b.  A  delay  line  of  length  N  is 
loaded  with  an  input  sample  followed  by  L-1  zeros, 
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then  the  next  input  sample  and  L-1  zeros,  and  so  on. 
The  output  is  the  sum  of  the  N  products  of  each  sample 
from  the  delay  line  and  its  corresponding  filter  coeffi- 
cient. The  filter  calculates  an  output  for  every  sample, 
zero  or  data,  loaded  into  the  delay  line. 

An  example  of  the  interpolator  operation  is  shown  in  the 
signal  flowgraph  in  Figure  5.  The  contents  of  the  delay 
line  for  three  consecutive  passes  of  the  filter  are  high- 
lighted. In  this  example,  the  interpolation  factor  L  is  3. 
The  delay  line  is  N  locations  long,  where  N  is  the  num- 
ber of  coefficients  of  the  filter;  N=9  in  this  example. 
There  are  N/L  or  3  data  samples  in  the  delay  line  during 
each  pass.  The  data  samples  x(1),  x(2),  and  x(3)  in  the 
first  pass  are  separated  by  L-1  or  2  zeros  inserted  by  the 
rate  expander.  The  zero-valued  samples  contribute 
(L-1)N/L  or  6  zero-valued  products  to  the  output  result. 
These  (L-1)N/L  multiplications  are  unnecessary  and 
waste  processor  capacity  and  execution  time. 

A  more  efficient  interpolation  method  is  to  access  the 
coefficients  and  the  data  in  a  way  that  eliminates  wasted 
calculations.  This  method  is  accomplished  by  removing 
the  rate  expander  to  eliminate  the  storage  of  the  zero- 
valued  samples  and  shortening  the  data  delay  line  from 
N  to  N/L  locations.  In  this  implementation,  the  data  delay 
line  is  updated  only  after  L  outputs  are  calculated.  The 
same  N/L  (three)  data  samples  are  accessed  for  each  set 
of  L  output  calculations.  Each  output  calculation  ac- 
cesses every  Lth  (third)  coefficient,  skipping  the  coeffi- 
cients that  correspond  to  zero-valued  data  samples. 


x(n)-»>fiT|H 


1ST 
PASS 

2ND 
PASS 

3RD 
PASS 

f°", 

C*\ 

m 

0 

h(0) 

;!oi 

I  I 

1  -J 
l«(3)  | 

i  i 

1  0  1 

0 

x(4) 

h(1) 

z-1| 

;!«! 

1  1 
1  o  1 

1  1 

|X(3)| 

0 

0 

h(2) 

I'll 

i  i 

|x<2>! 

1  1 

!»! 

'   0  ' 

1  0  1 

m 

0 

m 

z-i' 

1  1 

:  o  i 

i  i 

|x<2>! 

1  1 
1  „  1 
1  o  1 

0 

x(3) 

> 

h(4)  ' ' 

1-1  i 

i  i 

; !  o ! 

1  1 

!o| 

i  i 

!»<2>! 

0 

0 

h(5)  '  ' 

z-1 

i  i 

!*(dI 

i  i 
!  o ! 

i  i 

1  0  1 

m 

0 

h(6)  '  ' 

z-1, 

i  i 

i  i 

|X(1)| 

1  1 

1  0  1 

0 

x(2) 

h(7) 

z-1' 

!«! 

I  I 

I  „  I 

I  0  I 

1  1 

|x(1)| 

0 

0 

h(8)  ' 

\  1 

I  J 

-y(m) 


Figure  5.  Example  Interpolator  Flowgraph 

Crochiere  and  Rabiner  refer  to  this  efficient  interpolation 
filtering  method  as  polyphase  filtering,  because  a  differ- 
ent phase  of  the  filter  function  h(k)  (equivalent  to  a  set  of 
interleaved  coefficients)  is  used  to  calculate  each  output 
sample. 


ADSP-2100  Interpolation  Algorithm 

A  circular  buffer  of  length  N/L  located  in  data  memory 
forms  the  data  delay  line.  Although  the  convolution 
equation  accesses  the  newest  data  sample  first  and  the 
oldest  data  sample  last,  the  ADSP-2100  fetches  data 
samples  from  the  circular  buffer  in  the  opposite  order: 
oldest  data  first,  newest  data  last.  To  keep  the  data/coef- 
ficient pairs  together,  the  coefficients  are  stored  in  pro- 
gram memory  in  reverse  order,  e.g.,  h(N-1)  in  PM(0) 
and  h(0)  in  PM(N-1). 

Figure  6  shows  a  flowchart  of  the  interpolation  algo- 
rithm. The  processor  waits  in  a  loop  and  is  interrupted  at 
the  output  sample  rate  (L  times  the  input  sample  rate).  In 
the  interrupt  routine,  the  coefficient  address  pointer  is 
decremented  by  one  location  so  that  a  new  set  of  inter- 
leaved coefficients  will  be  accessed  in  the  next  filter 
pass.  A  counter  tracks  the  occurrence  of  every  Lth  out- 
put; on  the  Lth  output,  an  input  sample  is  taken  and  the 
coefficient  address  pointer  is  set  forward  L  locations, 
back  to  the  first  set  of  interleaved  coefficients.  The  out- 
put is  then  calculated  with  the  coefficient  address 
pointer  incremented  by  L  locations  to  fetch  every  Lth 
coefficient.  One  restriction  in  this  algorithm  is  that  the 
number  of  filter  taps  must  be  an  integral  multiple  of  the 
interpolation  factor;  N/L  must  be  an  integer. 


COUNTER = 1 
INITIALIZE  AG 


NO 


AT  L  X  (INPUT 


RATE) 


MODIFY  (»COEF,-1) 
COUNTER  =  COUNTER  -1 


<  COUNTER  =  0  5  ■  1 

Jyes 

DM  (ADATA,1)  =  INPUT 
MODIFY  <»COEF,L) 
COUNTER  =  L 

FILTER  N/L-1  COEFFS 
OUTPUT  SAMPLE 

Figure  6.  Interpolation  Flowchart 
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Listing  3  is  an  ADSP-2100  program  that  implements  this 
interpolation  algorithm.  The  ADSP-2100  is  capable  of 
calculating  each  filter  pass  in  ((N/U  +  17)  processor  in- 
struction cycles.  Each  pass  must  be  calculated  within  the 
period  between  output  samples,  equal  to  1/FSL.  Thus  the 
maximum  number  of  taps  that  can  be  calculated  in  real 
time  is: 


 17£ 

F S  ta_K 

where  tCLK  is  the  processor  cycle  time  and  Fs  is  the  input 
sampling  rate. 

The  interpolation  filter  has  a  gain  of  1/L  in  the  passband. 


One  method  to  attain  unity  gain  is  to  premultiply 
(offline)  all  the  filter  coefficients  by  L  This  method  re- 
quires the  maximum  coefficient  amplitude  to  be  less 
than  1/L,  otherwise  the  multiplication  overflows  the  16- 
bit  coefficient  word  length.  If  the  maximum  coefficient 
amplitude  is  not  less  than  1/L,  then  you  must  multiply 
each  output  result  by  1/L  instead.  The  code  in  Listing  4 
performs  the  16-by-32  bit  multiplication  needed  for  this 
gain  correction.  The  MY1  register  should  be  initialized  to 
L  at  the  start  of  the  routine,  and  the  last  multiply/accu- 
mulate of  the  filter  should  be  performed  with  (SS)  for- 
mat, not  the  rounding  option.  This  code  multiplies  a 
filter  output  sample  in  1.31  format  by  the  gain  L,  in  16.0 
format,  and  produces  in  a  1.15  format  corrected  output 
in  the  SRO  register. 


i 
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{INTERPOLATE. dsp 

Real  time  Direct  Form  FIR  Filter,  N  taps,  uses  an  efficient  algorithm  to  interpolate 
by  L  for  an  increase  of  L  times  the  input  sample  rate.  A  restriction  on  the  number 
of  taps  is  that  N/L  be  an  integer. 

INPUT:  adc 
OUTPUT:  dac 

} 

.MODULE/RAM/ABS- 
.CONST 
.CONST 
.CONST 

.VAR/PM/RAM/CIRC 
.VAR/DM/RAM/CIRC 
.VAR/DM/RAM 
.PORT 
.PORT 
.IN  IT 


JUMP  sample; 
initialize: 


waitjnterrupt: 

j  


0  interpolate: 
N=30; 
L=4; 

NoverL=75; 
coefIN}; 
data[NoverL]; 
counter; 
adc; 
dac; 

coef:<coef.dat>; 
RTI; 
RTI; 
RTI; 

IMASK=b#0000; 
ICNTL=b#01111; 
Sl  =  1; 

DM(counter)=SI; 

l4="coef; 

L4=%coef; 

M4=L; 

M5=-1; 

I0="data; 

L0=%data; 

M0=1; 

IMASK=b#1000; 
JUMP  waitjnterrupt; 

 Interpolate  


(interpolate  by  factor  of  L} 


{interrupt  0} 
{interrupt  1} 
{interrupt  1} 
{interrupt  3  at 


L*input  rate)} 


{disable  all  interrupts} 
{edge  sensitive  interrupts} 
{set  interpolate  counter  to  1} 
{for  first  data  sample} 
{setup  a  circular  buffer  in  PM} 

{modifier  for  coef  is  L} 
{modifier  to  shift  coef  back  -1} 
{setup  a  circular  buffer  in  DM} 


{enable  interrupt  3} 
{infinite  wait  loop} 


_} 


sample: 


{shifts  coef  pointer  back  by  -1} 
{decrement  and  update  counter} 


dojnput: 


L 


do_fir: 


taploop: 


.ENDMOD; 


M0DIFY(I4,M5); 
AY0=DM(counter); 
AR=AY0-1; 
DM(counter)=AR; 

IF  NE  JUMP  dojir;  {test  and  input  if  L  times} 

_input  data  sample,  code  executed  at  the  sample  rate  } 

AY0=DM(adc);                    {input  data  sample} 
DM(I0,M0)=AY0;                  {update  delay  line  with  newest} 
M0DIFY(I4,M4);                  {shifts  coef  pointer  up  by  L} 
DM(counter)  =  M4;                 {reset  counter  to  L} 
filter  pass,  occurs  at  L  times  the  input  sample  rate  } 

CNTR=NoverL  -  1;  {N/L-1  since  round  on  last  tap} 

MR=0,  MX0  =  DM(IO,M0),  MY0=PM(I4,M4); 

DO  taploop  UNTIL  CE;  {N/L-1  taps  of  FIR} 

MR  =  MR  +  MX0*MY0(SS),  MX0=DM(I0,M0),  MY0=PM(I4,M4); 
MR  =  MR  +  MX0*MY0(RND);    {last  tap  with  round} 
IF  MV  SAT  MR;  {saturate  result  if  overflowed} 

DM(dac)  =  MR1 ;  {output  sample} 

RTI; 


Listing  3.  Efficient  Interpolation  Filter 
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MX1=  MR1; 
MR=  MR0*MY1  (UU); 
MRO=  MR1; 
MR1=  MR2; 

MR=  MR+MXTMY1  (SU); 

SR=  LSHIFT  MRO  BY  -  7  (LO); 

SR=  SR  OR  ASHIFT  MR1  BY  -7  (HI); 

Listing  4.  Extended  Precision  Multiply 


Interpolator  Hardware  Configuration 

The  I/O  hardware  required  for  the  interpolation  filter  is 
the  same  as  that  for  the  decimation  filter  with  the  excep- 
tion that  the  interval  timer  clocks  the  output  D/A  con- 
verter, and  the  input  A/D  converter  is  clocked  by  the 
interval  counter  signal  divided  by  L  The  interval  timer 
interrupts  the  ADSP-2100  at  the  output  sample  rate.  This 
configuration  is  shown  in  Figure  7. 
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Figure  7.  Interpolation  Filter  Hardware 
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Audio  Applications  of  the  ADSP  Family 
(MR  Filters) 


INFINITE  IMPULSE  RESPONSE  (MR)  FILTERS 

Compared  to  the  FIR  filter,  an  MR  filter  can  often  be  much 
more  efficient  in  terms  of  attaining  certain  performance 
characteristics  with  a  given  filter  order.  This  is  because 
the  IIR  filter  incorporates  feedback  and  is  capable  of 
realizing  both  poles  and  zeros  of  a  system  transfer  func- 
tion, whereas  the  FIR  filter  is  only  capable  of  realizing 
the  zeros  (although  the  FIR  filter  is  still  more  desirable  in 
many  applications,  because  of  features  such  as  stability 
and  the  ability  to  realize  exactly  linear  phase  responses). 

Direct  Form  IIR  Filter 

The  IIR  filter  can  realize  both  the  poles  and  zeros  of  a 
system  because  it  has  a  rational  transfer  function,  de- 
scribed by  polynomials  in  z  in  both  the  numerator  and 
the  denominator: 


5> 


mz)  =  —  

i  -  2  a^"k 

16J2        i  .  d  srlTkaJB  ,*  \a  '  ,A   '    ■    *JS  ,*, 

The  difference  equation  for  such  a  system  is  described 
by  the  following: 

M  N 

y{n)  =  2  bkx\n-k)  +  ^  aky{n-k\ 


followed  by  the  sum-of-products  of  the  b  values  and  the 
delay  line  values. 


.MODULE  diriir_sub; 


Direct  Form  II  IIR  Filter  Subroutine 


Calling  Parameters 

MR1  =  Input  sample  {x[n]) 
MRO  =  0 

10  -*  Delay  line  buffer  current  location  (x[n-1]) 
L0  =  Filter  length 

15  —  Feedback  coefficients  (a[1],  a[2]  a[N|) 

L5  H  Filter  length  -  1 

16  ->  Feedforward  coefficients  <b|0],  b|1]  b[N]i 

L6  =  Filter  length 

M0  =  0 
M1.M4  =  1 

CNTR  =  Filter  length  -  2 
AX0  =  Filter  length  -  1 

Return  Values 

MR1  =  output  sample  (y[nj) 

10  -»  delay  line  current  location  (x[n-1J) 

15  -*  feedback  coefficients 

16  — *  feedforward  coefficients 

Altered  Registers 

MXO.MYO.MR 

Computation  Time 

((N  -  2)  +  (N  -  1))  +  10  +  4  cycles  (N  =  M  =  Filter  order) 

All  coefficients  and  data  values  are  assumed  to  be  in  1.15  format. 


In  most  applications,  the  order  of  the  two  polynomials  M 
and  N  are  the  same. 

The  roots  of  the  denominator  determine  the  pole  loca- 
tions of  the  filter,  and  the  roots  of  the  numerator  deter- 
mine the  zero  locations.  There  are,  of  course,  several 
means  of  implementing  the  above  transfer  function  with 
an  IIR  filter  structure.  The  "direct  form"  structure  pre- 
sented in  Listing  1  implements  the  difference  equation 
above. 

Note  that  there  is  a  single  delay  line  buffer  for  the  recur- 
sive and  nonrecursive  portions  of  the  filter  (Oppenheim 
and  Schafer's  Direct  Form  II).  The  sum-of-products  of  the 
a  values  and  the  delay  line  values  are  first  computed, 


■ 


.ENTRY  diriir; 

diriir:        MX0=DM(I0.M1 ),  MY0  =  PM(I5.M4); 

DO  poleloop  UNTIL  CE: 
poleloop:  MR.MR  +  MX0»MY0(SS),  MX0=DM(I0,M1),  MY0=PM(I5,M4): 

MR  =  MR+MX0*MY0(RND): 

CNTR=AX0; 

DM(I0,M0)  =  MR1; 

MR=0,  MX0=DM(I0,M1),  MY0=PM(I6,M4); 
DO  zeroloop  UNTIL  CE: 

zeroloop:  MR=MR  +  MX0-MY0(SS),MX0=DM(I0,M1),MY0=PM(I6,M4); 
MR  =  MR^MX0*MY0(RND): 
MODIFY  (I0.M2): 
RTS; 

.ENDMOD: 

Listing  1.  Direct  Form  IIR  Filter 
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Cascaded  Biquad  IIR  Filter 

A  second-order  biquad  IIR  filter  section  is  shown  on 
Figure  1.  Its  transfer  function  in  the  z-domain  is: 

H[z)  =  Y\z)/X\z)  =  |60  +  e,z" 1  +  B2z  ~2  i/l  1  +  A,z  - 1  +  A2z~2\ 

where  Av  A2,  B0,  B,  and  B2  are  coefficients  that  deter- 
mine the  desired  impulse  response  of  the  system  H(z). 
Furthermore,  the  corresponding  difference  equation  for 
a  biquad  section  is: 

Y\n)  =  BoX{n)  +  B,X(n-1)  +  B2X(n-2)-  /4,y(n-1)-A2y(n-2) 


x(n) 


Y(n) 


Figure  7.  Second-Order  Biquad  IIR  Filter  Section 

Higher-order  filters  can  be  obtained  by  cascading  sev- 
eral biquad  sections  with  appropriate  coefficients.  An- 
other way  to  design  higher-order  filters  is  to  use  only 
one  complicated  single  section.  This  approach  is  called 
the  direct  form  implementation.  The  biquad  implemen- 
tation executes  slower  but  generates  smaller  numerical 
errors  than  the  direct  form  implementation.  The  biquads 
can  be  scaled  separately  and  then  cascaded  to  minimize 
the  coefficient  quantization  and  the  recursive  accumula- 
tion errors.  The  coefficients  and  data  in  the  direct  form 
implementation  must  be  scaled  all  at  once,  which  gives 
rise  to  larger  errors.  Another  disadvantage  of  the  direct 
form  implementation  is  that  the  poles  of  such  single- 
stage  high-order  polynomials  get  increasingly  sensitive 
to  quantization  errors.  The  second-order  polynomial  sec- 
tions (i.e.,  biquads)  are  less  sensitive  to  quantization 
effects. 

An  ADSP-2100  subroutine  that  implements  a  high-order 
filter  is  shown  in  Listing  2.  The  subroutine  is  arranged  as 
a  module  and  is  labeled  biquad_sub.  There  are  a  num- 
ber of  registers  that  need  to  be  initialized  in  order  to 
execute  this  subroutine.  It  may  be  sufficient  to  do  this 
initialization  only  once  (e.g.,  at  power-up)  if  other  exe- 
cuted algorithms  do  not  need  these  registers.  In  most 
typical  cases,  however,  some  of  these  registers  may 
need  to  be  set  every  time  the  biquad  sub  routine  is 
called.  It  may  sometimes  be  beneficial,  from  a  modular 
software  point  of  view,  always  to  initialize  all  the  setup 
registers  as  a  part  of  this  subroutine. 

The  biquad_sub  routine  takes  its  input  from  the  SR1 
register.  This  register  must  contain  the  16-bit  input  X(n). 
X(n)  is  assumed  to  be  already  computed  before  this 
subroutine  is  called.  The  output  of  the  filter  is  also  made 
available  in  the  SR1  register. 


After  the  initial  design  of  a  high-order  filter,  all  coeffi- 
cients must  be  scaled  down  separately  in  each  biquad 
stage.  This  is  necessary  in  order  to  conform  to  the  16-bit 
fixed-point  fractional  number  format  as  well  as  to  ensure 
that  overflows  will  not  occur  in  the  final  multiply- 
accumulate  operations  in  each  stage.  The  scaled-down 
coefficients  are  the  ones  that  get  stored  in  the  proces- 
sor's memory.  The  operations  in  each  biquad  are  per- 
formed with  scaled  data  and  coefficients  and  are 
eventually  scaled  up  before  being  output  to  the  next 
one.  The  choice  of  a  proper  scaling  factor  depends 
greatly  on  the  design  objectives,  and  in  some  cases  it 
may  even  be  unnecessary.  The  filter  coefficients  are  usu- 
ally designed  with  a  commercial  software  package  in 
higher  than  16-bit  precision  arithmetic.  System  perfor- 
mance deviates  from  ideal  when  such  high  precision 
coefficients  are  quantized  to  16  bits  and  further  scaled 
down.  In  systems  that  require  stringent  specifications, 
careful  simulations  of  quantization  and  scaling  effects 
must  be  performed. 

During  the  initialization  of  the  biquad_sub  routine,  the 
index  register  10  points  to  the  data  memory  buffer  that 
contains  the  previous  error  inputs  and  the  previous  bi- 
quad section  outputs.  This  buffer  must  be  initialized  to 
zero  at  powerup  unless  some  nonzero  initial  condition  is 
desired.  The  index  register  11  points  to  another  buffer  in 
data  memory  that  contains  the  individual  scale  factors 
for  each  biquad.  The  buffer  length  register  L1  is  set  to 
zero  if  the  filter  has  only  one  biquad  section.  In  the  case 
of  multiple  biquads,  L1  is  initialized  with  the  number  of 
biquad  sections.  The  index  register  14,  on  the  other 
hand,  points  to  the  circular  program  memory  buffer  that 
contains  the  scaled  biquad  coefficients.  These  coeffi- 
cients are  stored  in  the  order:  B2,  B-,,  B0,  A2  and  A,  for 
each  biquad.  All  of  the  individual  biquad  coefficient 
groups  must  be  stored  in  the  same  order  in  which  the 
biquads  are  cascaded,  such  as:  B2,  Bv  B0,  A2,  A„  B2*, 
B,*,  B0*,  A2*,  An*,  B2**,  etc.  The  buffer  length  register 
L4  must  be  set  to  the  value  of  (5  x  number  of  biquad 
sections).  Finally,  the  loop  counter  register  CNTR  must 
be  set  to  the  number  of  biquad  sections,  since  the  filter 
code  will  be  executed  as  a  loop. 

The  core  of  the  biquad^sub  routine  starts  its  execution  at 
the  biquad  label.  The  routine  is  organized  in  a  looped 
fashion  where  the  end  of  the  loop  is  the  instruction 
labeled  sections.  Each  iteration  of  the  loop  executes  the 
computations  for  one  biquad.  The  number  of  loops  to  be 
executed  is  determined  by  the  CNTR  register  contents. 
The  SE  register  is  loaded  with  the  appropriate  scaling 
factor  for  the  particular  biquad  at  the  beginning  of  each 
loop  iteration.  After  this  operation,  the  coefficients  and 
the  data  values  are  fetched  from  memory  in  the  se- 
quence in  which  they  have  been  stored.  These  numbers 
are  multiplied  and  accumulated  until  all  of  the  values  for 
a  particular  biquad  have  been  accessed.  The  result  of  the 
last  multiply/accumulate  is  rounded  to  16  bits  and  up- 
shifted  by  the  scaling  value.  At  this  point,  the  biquad 
loop  is  executed  again,  or  the  filter  computations  are 
completed  by  doing  the  final  update  to  the  delay  line. 
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The  delay  lines  for  data  values  are  always  being  updated 
within  the  biquad  loop  as  well  as  outside  of  it. 

The  filter  coefficients  must  be  scaled  appropriately  so 
that  no  overflows  occur  after  the  upshifting  operation 
between  the  biquads.  If  this  is  not  ensured  by  design,  it 
may  be  necessary  to  include  some  overflow  checking 
between  the  biquads. 

The  execution  time  for  an  Nth  order  biquad_sub  routine 
can  be  calculated  as  follows  (assuming  that  the  appro- 
priate registers  have  been  initialized  and  N  is  a  power 
of  2): 

ADSP-2101/2102:    (8  x  N/2)  +  4  processor  cycles 
ADSP-2100/2100A:  (8  x  N/2)  +  4  +  5  processor  cycles 

It  may  take  up  to  a  maximum  of  12  cycles  to  initialize  the 
appropriate  registers  every  time  the  filter  is  called,  but 
typically  this  number  will  be  lower. 


.MODULE  biquad  sub; 

{  Nth  order  cascaded  biquad  filter  subroutine 

Calling  Parameters: 

SRI  =  input  X(n) 

10  —  delay  line  buffer  for  X(n-2),  X(n-1), 

Y(n-2),  Y(n-1) 
L0  =  0 

11  —  scaling  factors  for  each  biquad  section 
LI  =  0  (in  the  case  of  a  single  biquad) 

LI  =  number  of  biquad  sections 

(for  multiple  biquads) 
14  -*  scaled  biquad  coefficients 
L4  =  5  x  (number  of  biquads] 
MO,  M4  =  1 
Ml  =  -3 

M2  =  1  (in  the  case  of  multiple  biquads) 
M2  =  0  (in  the  case  of  a  single  biquad) 
M3  =  (1  -  length  of  delay  line  buffer) 

Return  Value: 

SRI  =  output  sample  Y(n) 

Altered  Registers: 

SE,  MXO,  MX1,  MYO,  MR,  SR 

Computation  Time  (with  N  even): 

ADSP-2101/2102:  (8  x  N/2)  +  5  cycles 
ADSP-2100/2100A:  (8  x  N/2)  +  5  +  5  cycles 

All  coefficients  and  data  values  are  assumed  to  be  in  1.15  format 


.ENTRY  biquad: 

biquad:  CNTR  =  number_of_biquads 
DO  sections  UNTIL  CE: 
SE=DM(I1,M2); 

MX0=DM[I0,M0),  MY0  =  PM(I4,M4|; 
MR=MX0-MY0|SS),  MX1  =DM(I0,M0),  MY0=PM(I4.M4); 
MR-MR  +  MX1*MY0(SS),  MY0=PM(I4,M4): 
MR=MR  +  SRTMY0(SS),  MX0=DM(I0,M0),  MY0=PM(I4,M4I: 
MR=MR  +  MX0*MY0(SS).  MX0=DM(I0,M1),  MY0=PM(I4,M4); 
DM(I0,M0)  =  MX1,  MR  =  MR  +  MX0*MY0(RND); 
sections.   DM(I0,M0)=SR1.  SR=ASHIFT  MR1  (HI): 

DM(I0,M0)=MX0: 

DM(I0.M3)=SR1; 

RTS; 

.ENDMOD: 

Listing  2.  Cascaded  Biquad  IIR  Filter 
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Been  confused  about 
the  approaches  being 
developed  for  this 
vital  technology?  This 
could  help. 

Image  data  compression  can  be  used 
to  reduce  channel  bandwidth 
requirements  when  transmitting  still  or 
moving  images  over  a  band-limited 
channel,  and  enables  images  to  be 
stored  in  a  smaller  memory  space. 
These  are  among  the  most  im- 
portant requirements  for  furthering 
imaging  in  the  immediate  future.  Com- 
pression is  a  prime  subject  of  discus- 
sion in  electronic  publishing,  videotele- 
conferencing,  medical  image  sharing, 
real-time  missle  guidance  by  visual  con- 
trol and  space  exploration — or  in  look- 
ing at  the  future  of  color  copiers,  still 
video  cameras,  ISDN  networks  (voice, 
video,  text  documents  and  images), 
video  channels  on  commercial  broad- 
cast satellites,  image  databases,  digital 
office  FAX  and  PC  FAX  boards. 

There  exist  many  approaches  to 
reducing  image  data;  the  end  applica- 
tion dictates  which  technique  is  best 
suited  for  compressing  data.  For  exam- 
ple, some  techniques  are  lossy  tech- 
niques while  others  are  lossless.  Medical 
images,  for  example,  often  require  com- 
pletely lossless  compression  because 
the  exact  value  of  each  pixel  could  be 
significantly  important  in  a  mathemati- 
cal computation  or  in  a  legal  dispute. 
Browsing  an  ID  card  database,  or  guid- 
ing a  missile  in  the  battlefield,  on  the 
other  hand,  could  be  carried  out  with- 
out having  to  know  the  exact  value  of 
each  pixel.  The  human  visual  system  is 
adaptive  enough  to  be  "fooled,"  seeing 
a  lossy-compressed  image  and  confus- 
ing it — accepting  it — for  the  original.  In 


Image  Compression: 
Spelling  Out  the  Options 

by  Chris  Cavigioli 

fact,  most  pictures  can  be  processed  to 
remove  97%  of  the  original  data,  and  the 
human  eye  would  have  a  very  hard  time 
at  noticing  any  degradation. 

The  compression  techniques 

Compression  techniques  include:  trans- 
form-based coding,  sub-band  coding, 
entropy  coding,  run-length  coding,  vec- 
tor quantization,  predictive  coding, 
block-truncation  coding,  and  coding  by 
modeling  a  scene.  The  latter  has  recent- 
ly become  quite  exciting,  as  ways  of 
applying  completely  new  approaches 
involving  fractals  are  being  discovered. 
Since  there  are  so  many  different  com- 
pression techniques  available,  and  since 
certain  compression  applications  actual- 


Huffman  coding)  and  run-length  encod- 
ing can  follow  to  reduce  the  bit  rate 
even  further.  The  most  popular  trans- 
form today  would  be  the  discrete  cosine 
transform  (DCT).  In  the  past,  before 
high  performance,  programmable 
DSPs  were  available,  the  Hadamard 
transform  enjoyed  some  usage.  The 
DCT  is  relatively  compute-intensive, 
requiring  fast  multiplies  and  sophisticat- 
ed data  addressing.  The  Hadamard 
transform  was  initially  popular  since  it 
can  be  computed  with  simple  +1  opera- 
tors, thereby  eliminating  the  need  for 
hardware  multiplication. 

Run-Length  coding  capitalizes  on  the 
high  pixel-to-pixel  correlation  in  the 
image,  and  then  recodes  the  data  to  elimi- 


Imige-Plxel 
Run-itngth 

COfTMf 

HodtfM  Hul 

white  rum 

black  run* 

0 

i 

00110101 

0000110111 

000111 

010 

2 

0111 

11 

1 

1000 

10 

* 

1011 

011 

1 

1100 

Mil 

m« 

Mil 

1111 

00011 

• 

10011 

oooiot 

■ 

10100 

000100 

00111 

0000100 

01000 

0000101 

"t 

001O0O 

11 

00601 1 

Reprinted  from  Advanced  Imaging  -  October  1990 


Fig.  1.  Run  length  coding. 

ly  employ  several  of  those  techniques  in 
combination,  I  will  try  to  navigate 
through  several  techniques,  discussing 
each  along  the  way. 

Transform  coding  applies  a  mathemati- 
cal transform  to  the  pixel  data  to  put  the 
resulting  data  values  into  another 
domain.  A  transform  is  chosen  which 
consolidates  pixel  information  into  a 
more  compact  form.  Once  in  this  form, 
other  techniques  are  employed  to  com- 
press the  information  even  further.  For 
example,  in  a  lossy  system,  threshold- 
ing and  quantization  can  be  used  to 
select  the  more  significant  values  from 
the  less  significant  ones,  and  then  trans- 
mit only  the  most  important  ones.  For 
lossless  systems,  thresholding  and 
quantization  wouldn't  be  allowed.  In 
either  case,  entropy  coding  (such  as 


nate  the  redundancies.  To  achieve  a  high 
degree  of  compression,  the  run-length 
data  is  recoded  into  digital  codes  of  vary- 
ing length,  with  shorter  codes  assigned 
to  the  more  likely  original  code  values 
(see  Figure  1).  The  common  facsimile 
machine  uses  the  CCITT  Group  3  stan- 
dard to  first  determine  the  length  of  a 
continuous  run  of  white  (or  black)  image 
pixels,  and  then  assigns  (via  a  modified 
Huffman  code  table)  a  corresponding 
code  between  2  and  13  bits  long. 

Sub-band  coding  passes  an  image 
through  a  bank  of  special  filters  called 
quadrature  mirror  filters  (QMFs).  A 
QMF  filter  has  the  special  property  of 
reducing  the  input  sampling  rate  by  two 
and  splitting  the  input  bandwidth  into 
two  output  channels,  each  having  half  of 
the  original  bandwidth.  For  example,  say 
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we  have  a  signal  which  is  sampled  at  1(H) 
KHz:  (he  input  bandwidth  spans  0  Hz  to 
50  KHz.  By  passing  this  signal  through  a 
quadrature  mirror  filler,  two  output  chan- 
nels result — one  has  all  the  0  Hz  to  25 
KHz  information  while  the  other  has  the 
25  KHz  to  50  KHz  information.  Both  out- 
put channels  are  each  sampled  at  50  KHz 
(half  of  the  original  sampling  rate).  After 
several  stages  of  QMF  filtering,  an  image 
is  separated  into  several  smaller  images, 
each  image  holding  data  within  a  known 
spatial  frequency  band.  The  lower  fre- 
quency imformation  is  the  most  impor- 
tant information,  while  the  high  frequen- 
cies hold  the  crispy  details  of  a  picture. 
By  selectively  transmitting  only  some  of 
the  lower  frequency  portions,  data  com- 
pression is  achieved. 

Progressive  coding  and  JPEG 

Sub-band  coding  is  ideally  suited  for  a 
technique  called  progressive  coding.  Pro- 
gressive coding  is  especially  useful  for 
archival  database  browsing.  When  brows- 
ing through  a  database,  only  the  lowest 
frequency  image  portion  are  first 
retrieved:  the  viewer  can  get  a  good  idea 
of  the  image.  The  longer  the  viewer 
observes  the  image  before  going  on  to 
the  next,  the  more  detail  is  added  to  the 
picture.  This  is  done  by  progressively 
adding  the  next  higher  frequency  por- 
tions until  all  the  original  data  is  recreated. 

Progressive  coding  is  also  possible 
with  transform-based  techniques  such 
as  the  discrete  cosine  transform.  For 
example,  the  much-discussed  JPEG 
still-image  compression  standard  devel- 
oped by  the  International  Standards 
Organization  (ISO)  specifies  a  sequen- 
tial DCT  technique  as  its  absolute  mini- 
mum (baseline):  this  means  that  the 
algorithm  performs  its  compression 
tasks  on  the  whole  input  image  in  a 
sequential  fashion.  First  an  image  is 
subdivided  into  smaller  blocks;  then  the 
blocks  are  transformed  using  the  DCT; 
then  the  DCT  coefficients  are  thresh- 
olded  and  quantized;  and  finally  they 
are  entropy  coded.  After  all  the  tasks 
are  done,  the  data  can  then  be  stored  or 
transmitted.  On  the  receiving  side,  the 
compressed  data  is  received  and 
sequentially  decompressed.  When  that 
is  all  done,  the  decompressed  image  ' 
data  is  finally  displayed  on  the  monitor. 
JPEG  permits  the  offering  of  more 
advanced  features  above  the  baseline 
requirement — one  of  these  features  is  a 
progressively-coded  DCT  implementa- 
tion. The  user  sees  a  rough  image 
immediately,  which  is  then  progressive- 
ly improved  in  quality.  Progressive  DCT 
coding  in  JPEG  can  be  achieved  in  one 
of  two  ways:  spectral  selection,  where 
selection  of  DCT  coefficients  to  trans- 
mit is  based  on  their  associated  fre- 
quency; and  successive  approximation,  a 
method  whereby  an  averaged  approxi- 
mation of  the  DCT  coefficients  is  sent 
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Fig.  2.  Basic  Access  ISDN. 


first,  followed  by  successively  better 
correction  values  sent  later  to  improve 
the  image. 

While  progressive  coding  usually 
means  that  a  larger  bandwidth  require- 
ment is  sacrificed  for  a  longer  transmit 
duration  on  a  narrow  bandwidth,  flexi- 
ble bandwidth  coding  can  be  used  to 
describe  a  scheme  in  which  the  channel 
bandwidth  itself  can  be  altered  in  order 
to  accomodate  various  picture  quality 
requirements  in  real-time. 

Phone  transmission 

A  good  example  of  this  would  be 
videotelephony  on  the  telephone  net- 
work. The  CCITT  recommendation 
H.261  for  moving  video  compression  is 
used  in  picture  phone  and  videotelecon- 
ferencing  equipment  and  is  sometimes 
referred  to  as  p  x  64.  The  name  p  x  64 
stems  from  the  fact  that  the  channel  bit 
rate  can  be  an  integer  (p)  multiple  of  64 
Kbps.  A  standard  digital  voice  channel  on 
today's  telephone  network  is  a  64  Kbps 
channel.  A  p  x  64  video  codec  can  selec- 
tively utilize  several  64  Kbps  channels  to 
achieve  the  desired  picture  quality.  H.261 
was  originally  drafted  for  video  telecom- 
munications over  digital  telephone  lines 
having  multiple  channels  multiplexed  in 
time.  It  should  also  be  mentioned  that 
one  of  the  64  Kbps  channels  is  reserved 
for  the  audio  portion  of  the  telephone  call. 

The  most  common  digital  carriers  for 
H.261  would  be  the  standard  Tl  carrier 
(North  America)  or  the  CEPT  carrier 
(Europe):  both  of  these  carriers  are  ref- 
ered  to  as  the  DS1  (digital  service  1) 
layer.  The  phone  line  which  comes  to 
your  house  carries  one  voice  channel  at 
64  Khps— this  is  the  DSO  layer.  At  the 
central  office,  several  DSO  channels  are 
time-multiplexed  (TDMA)  onto  the  DS1 
layer.  In  North  America,  24  channels 
are  combined  into  a  frame  on  the  DS1 
layer;  this  protocol  yields  a  total  bit  rate 
of  24  x  64  Kbps  or  1.536  Mbps  and  is 
called  Tl.  In  Europe,  32  DSO  channels 
are  framed  onto  Europe's  DS1  layer; 
this  protocol  is  called  CEPT  and  yields 
32  x  64  Kbps  or  2.048  Mbps. 

Four  enabling  factors  have  emerged 


over  the  last  few  years  to  make  video- 
telephony  a  reality:  plummetting  cost  of 
DS1  services  and  associated  tariffs, 
standardization  of  the  H.261  recommen- 
dation by  the  CCITT  (June  1990),  DSP 
chips  enabling  affordable  implementa- 
tion of  videotelephony  products,  and 
live  demonstrations  of  working  prod- 
ucts by  at  least  three  firms  in  the  U.S.A. 

To  make  videotelephony  even  more 
attractive,  the  telephone  company  now 
also  sells  new  digital  services  to  the  sub- 
scriber including:  fractional  Tl,  switched 
56,  and  ISDN.  Fractional  Tl  implies  that 
instead  of  purchasing  all  24  channels  of 
Tl  service,  it  is  now  possible  to  pur- 
chase, for  example,  only  12  of  the  chan- 
nels at  a  reduced  cost.  Switched  56  is  the 
common  name  for  dial-up  lines  which 
carry  a  single  channel  of  digital  data  at  56 
Kbps.  In  this  case,  you  would  have  to 
purchase  one  line  for  video,  albeit  at  a 
reduced  picture  quality,  and  one  line  for 
the  audio  portion.  The  price  of  switched 
56  is  the  factor  that  is  making  it 
immensely  popular. 

ISDN  is  a  bit  slower  in  being  widely 
accepted  in  the  U.S.A.,  but  its  time  is 
definitely  on  the  way.  Basic  Access 
ISDN  consists  of  two  independent  B 
channels  together  with  a  D  channel 
(see  Figure  2).  The  B  channels  are  64 
Kbps  and  the  D  channel  is  only  16  Kbps 
for  basic  access;  Primary  Access  ISDN 
is  at  the  DS1  level.  In  this  case,  there 
are  23  B  channels  (North  America)  in 
conjunction  with  a  64  Kbps  D  channel. 
In  Europe,  there  are  30  B  channels  with 
a  64  Kbps  D  channel. 

Images  into  the  stream 

With  that  said,  let's  look  at  how  a  pic- 
ture is  taken  from  a  camera  and  com- 
pressed into  a  low  data-rale  bit  stream. 
To  get  a  better  idea  of  the  image  com- 
pression task,  consider  the  magnitude  of 
the  data  reduction  required.  In  the  H.261 
recommendation,  the  input  picture  frame 
size  can  be  in  one  of  two  spatial  resolu- 
tions: there  is  the  CIF  (Common  Inter- 
mediate Format)  which  has  a  resolution 
of  360x288  pixels,  and  there  is  the  QCIF 
(Quarter  Common  Intermediate  Format) 
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Fig.  3.  Broadcast  television  signal. 


which  has  a  resolution  of  180x144  pixels. 
Two  formats  enable  basic  units  to  sup- 
port QCIF  for  a  lower  price,  while  high- 
er-priced units  support  both  formats.  For 
a  moving  picture,  the  frame  is  updated 
many  times  every  second:  full  motion  is 
regarded  as  30  frames  per  second.  Since 
this  represents  a  very  large  amount  of 
data,  the  input  data  is  often  temporally 
subsampled — subsampling  at  a  rate  of  2, 
3,  or  4  yields  a  frame  rate  of  15,  10  or  7.5 
frames  per  second  respectively. 

The  number  of  bits  per  pixel  depends 
upon  whether  each  frame  is  color  or  not. 
The  data  format  closely  resembles  that  of 
standard  television.  In  other  words, 
instead  of  one  frame  each  of  red,  green 
and  blue  as  found  in  your  computer  CRT, 
television  signals  are  based  on  luminance 
(the  gray  scale  or  black-and-white  por- 
tion) information  and  chrominance  (the 
color)  information.  (This  was  developed 
historically  so  that  black-and-white  televi- 
sion and  color  television  could  coexist.) 
Either  receiver  demodulates  the  lumi- 
nance information,  and  color  TVs  have 
additional  circuitry  to  demodulate  the 
chrominance  information.  Chrominance 
comes  in  two  parts  which  are  quadrature 
modulated:  television  signals  are  some- 


times refered  to  as  being  in  YIQ  format. 
Y  stands  for  luminance,  and  I  and  Q  are 
the  two  chrominance  components  (see 
Figure  3).  Since  the  human  eye  is  more 
responsive  to  luminance  degradation  ver- 
sus chrominance  degradation,  the 
chrominance  is  often  spatially  subsam- 
pled. The  CIF  and  QCIF  formats  subsam- 
ple  chrominance  at  a  2: 1  rate. 

Video  signals  are  sampled  at  8  bits  res- 
olution. Consequently,  a  full-motion, 
color.  CIF  bitstream  runs  at  37.3  Mbps! 
All  this  data  must  somehow  be  shoe- 
horned  into  p  x  (i4  Kbps — this 
formidable  task  can  be  achieved  with  the 
CCITT  H.261  compression  algorithm.  To 
help  reduce  the  data  to  be  compressed, 
provisions  for  motion  compensation 
have  been  included  in  the  algorithm. 

Motion  compensation  is  a  technique 
whereby  a  frame  is  compared  to  the  pre- 
vious frame  (in  time)  and  the  movement 
of  objects  in  the  scene  is  estimated.  Sta- 
tionary objects  are  not  required  to  be 
recoded  and  retransmitted  since  the 
receiver  already  has  these  objects  in  its 
frame  memory  from  previous  frames. 
Using  this  technique,  it  becomes  possi- 
ble to  code  a  frame,  then  for  several  next 
frames,  simply  code  and  transmit  the  dif- 


ference information  to  the  receiver 
instead  of  completely  new  frames. 
Motion  compensation  aids  tremendously 
in  cases  such  videoteleconferencing 
where  a  subject's  head  and  lip  move- 
ments are  practically  the  only  moving 
objects  in  the  frame  sequence. 

Motion  compensation  enables  large 
data  reduction  performance  at  a  very 
slight  expense  of  increased  control  sig- 
nal requirements.  There  are  times 
when  motion  compensation  will  work 
and  times  when  it  cannot.  Signalling 
bits  are  specified  in  H.261,  informing 
the  receiver  whether  it  should  be  in 
interframe  mode  versus  intraframe 
mode.  Interframe  mode  indicates  that 
data  being  sent  is  frame  difference  data 
which  should  be  used  to  update  the 
receiver  current  frame  store. 
Intraframe  mode  means  that  the  receiv- 
er should  throw  away  its  stored  frame 
and  start  over  from  scratch  with  a  com- 
pletely new  picture.  Intraframe  mode  is 
applicable  anytime  that  the  interframe 
differences  are  too  great  and  a  fresh 
frame  would  be  better,  for  instance, 
when  the  very  first  picture  is  being 
sent,  a  scene  cut  has  happened,  or  too 
much  time  has  elapsed  since  the  last 
complete  frame  was  sent. 
We  will  look  at  working  examples  of 
practical  methods  of  image  compres- 
sion in  a  future  issue  of  this  maga- 
zine—  including  a  close  look  at  discrete 
cosine  transform-based  compression 
employing  DSP  hardware. 
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Software-based? 
Or  which  hardware 
type?  Lossy  or 
lossless?  More 
mysteries  clarified 

In  part  one  of  this  image  compres- 
sion overview,  ("Image  Compres- 
sion: Spelling  Out  the  Options," 
Advanced  Imaging,  Oct.  '90)  we 
addressed  the  very  general  issue  of 
compressing  image  data,  looking  at 
options  for  image  transmission  over 
limited  bandwidth  channels. 

In  this  second  part,  we  focus  on  the 
compression  of  continuous  tone  images 
using  the  much-discussed,  sometimes 
understood  ISO/JPEG  compression 
algorithms.  (JPEG,  incidentally,  stands 
for  Joint  Photographic  Experts  Group: 
this  is  a  committee  which  is  proposing  a 
standard  for  compressing  high-quality, 
still  images.  The  standardization  activity 
(e.g.,  JPEG)  throughout  the  U.S.  is  coor- 
dinated by  ANSI  (American  National 
Standards  Institute),  and  ANSI,  in  turn, 
casts  the  U.S.  vote  at  the  International 
Standards  Organization  (ISO)  meetings.) 

Our  focus  is  on  two  questions:  Which 
JPEG  variant  should  be  used  to  compress 
a  given  image,  and  should  compression 
be  done  with  PC  software,  a  JPEG  VLSI 
chip  set  or  a  programmable  DSP? 

Which  JPEG? 

JPEG  is  not  a  single,  fixed  algorithm,  but 
rather  a  family  of  several  techniques, 
each  member  best  suited  for  certain 
applications.  All  JPEG  coders  must  sup- 


JPEG  Compression 

by  Chris  Cavigioli 


JPEG  Family  of  Algorithms 

DCT-based 


progressive  coding  of  DCT 
(spectral  selection,  successive 
approximation,  or  both) 


Fig.  1.  The  Family  of  JPEG  algorithms 


port  the  baseline  technique,  with  the 
exception  of  lossless  JPEG  coders,  which 
are  not  required  to  support  baseline. 
Some  JPEG  coders  will  support  extended 
systems  which  are  above  and  beyond  the 
fundamental  baseline  technique.  Fig.  1 
shows  the  relationship  among  all  current 
JPEG  algorithms. 

JPEG  compression  algorithms  have 
been  tested  on  images  of  natural  scenes. 
These  images  averaged  16  bits/pixel  and 
were  stored  in  the  CC1R-601  4:2:2 
(Y:Cb:Cr)  format.  Table  1  shows  experi- 
mental compression  ratios  achieved  and 
the  resulting  image  quality. 
Lossy,  high  compression  techniques  are 
DCT-based  (Discrete  Cosine  Transform), 
while  the  lossless  but  low  compression 
techniques  are  DPCM-based  (Differential 
Pulse  Code  Modulation).  Within  the 
DCT-based  realm,  there  is  the  baseline 
mode  which  all  DCT-based  JPEG  coders 
must  support  as  well  as  the  extended  sys- 
tems. The  full  name  for  the  baseline  sys- 
tem is:  sequential  DCT  system  with  Huff- 
man coding.  Let's  see  how  this  compares 
with  other  JPEG  algorithms. 


sequential  DCT 
with  arithmetic 
coding 


begin  upper  left-hand  corner  of  the 
image,  then  proceed  to  completely 
encode  the  image  from  left  to  right  across 
the  rows,  and  top  to  bottom  down  the 
columns.  When  you  observe  the  decoder 
reconstructing  the  image,  you  see  the 
final  image  appearing  in  the  same  order, 
analogous  to  covering  a  picture  by  a  piece 
of  paper  and  slowly  revealing  the  picture 
by  sliding  the  paper  away. 

With  the  same  decoder  in  progressive 
mode,  a  coarse  approximation  of  the 
image  instead  fills  the  screen  right 
away,  giving  you  a  good  idea  of  what 
the  final  image  looks  like.  The  image 
progressively  improves  in  quality  until 
it  is  indistinguishable  from  the  sequen- 
tially-generated image.  The  progressive 
technique  would  be  better  suited  for 
applications  such  as  image  database 
browsing,  while  the  sequential  tech- 
nique is  practically  mandatory  in  other 
applications,  such  as  hardcopy  printing. 


Table  1:  JPEG  Compression  Ratios 

Bits/Pixel    Image  Quality  Compression  Ratio 


0.1 

0.25 
0.75 
1.5 
8 


Recognizable  image  160  :  1 

Useful  image  64  :  1 

Excellent  quality  22  : 1 

Indistinguishable  from  original  11:1 

Lossless  JPEG  method  2  :  1 


Reprinted  from  Advanced  Imaging  -  March  1991 


Progressive  coding  choices 

Two  progressive  coding  techniques, 
spectral  selection  and  successive 
approximation,  are  defined  by  JPEG. 
Progressive  vs.  The  DCT  transforms  spatial  pixel  data 
sequential  coding  into  frequency  data.  By  picking  only 
Sequential  and  pro-  certain  frequency  bands  of  interest  (by 
gressive  coding  choosing  only  some  of  the  DCT  coeffi- 
refer  to  the  order  in  cients),  it  is  possible  to  approximate  an 
which  the  com-  image  by  first  using  only  low  frequency 
pressed  information  components,  then  add  detail  by  sending 
is  sent  from  encoder  some  missing  high  frequency  compo- 
to  decoder  and  sub-  nents.  When  all  the  coefficients  have 
sequently  displayed.  been  sent,  the  final  picture  results.  This 
Sequential  systems       is  the  spectral  selection  technique. 
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The  successive  approximation  tech- 
nique sends  the  approximate  value  of 
the  DCT  coefficients  by  truncating 
their  LSBs  (least  significant  bits)  in  the 
first  stage.  The  missing  low  order  mag- 
nitude bits  are  sent  in  the  later  stages, 
one  bit  plane  at  a  time.  Hybrid  algo- 
rithms employing  a  combination  of  both 
techniques  are  allowed. 

All  of  the  images  in  the  examples  (at 
right)  are  JPEG  compressed  at  15:1. 
There  are  three  images  in  each  com- 
pression mode,  giving  10%,  80%,  and 
100%  of  complete  image  transmission. 
One  set  shows  baseline  mode,  the  sec- 
ond set,  progressive  mode  using  spec- 
tal  selection  only,  and  the  final  set,  pro- 
gressive mode  using  both  spectral 
selection  and  successive  approximation. 

Entropy  coding  issues 

Some  of  the  JPEG  extended  systems 
replace  the  Huffman  coding  technique 
of  the  baseline  system  with  adaptive 
binary  arithmetic  coding.  Either 
method  is  a  lossless  way  of  entropy  cod- 
ing the  quantized  DCT  coefficients. 
Huffman  coding  replaces  the  quantized 
coefficients  with  variable  length  code- 
words (VLCs).  The  coefficient  is  the 
look-up  index  into  a  table,  and  the  VLC 
extracted  from  that  location  is  the  data 
sent.  The  codeword  length  is  shortest 
for  statistically  more  frequent  coeffi- 
cient values  and  longer  for  less  frequent 
coefficients,  so  the  total  amount  of  data 
transmission  is  reduced.  (Morse  code 
is  an  example  of  Huffman-like  coding 
for  the  characters  in  the  English  lan- 
guage.) Obviously,  different  images 
possess  different  statistical  distribu- 
tions of  DCT  coefficients. 
For  this  reason,  in  addition  to  the  base- 
line default  tables,  JPEG  allows  custom 
Huffman  tables  to  be  generated  from 
optional  signaling  information.  Custom 
tables  can  be  used  for  certain  classes  of 
images  or  even  specifically  optimized 
for  each  individual  image.  Adaptive 
binary  arithmetic  coding  provides  adap- 
tive entropy  coding  in  a  single  pass, 
eliminating  the  need  for  custom  tables 
used  in  the  Huffman  technique,  by 
dynamically  adapting  its  set  of  probabil- 
ity estimates  to  each  image  or  even  to 
regions  within  an  image. 

Independent  function  for  lossless 

A  separate,  independent  JPEG  function 
(not  associated  with  DCT-based  tech- 
niques) is  specified  by  JPEG  for  sequen- 
tial, lossless  coding.  This  algorithm  is  a 
spatial  algorithm  in  the  pixel  domain  as 
opposed  to  the  transform  domain.  It  is 
based  on  the  DPCM  coding  model  origi- 
nally developed  for  the  DC  coefficients  of 
the  DCT  in  the  DCT-based  systems. 
However,  the  model  is  extended  by  incor- 
porating two-dimensional  prediction. 

Lossless  compression  cannot  achieve 
high  compression  ratios  like  the  lossy 


JPEG  alternatives:  10%, 
80%  and  100%  transmis- 
sions (left  to  right)  using 
baseline  (top),  spectral 
selection  only  (middle), 
and  both  spectral  selection 
and  successive  approxima- 
tion (bottom).  Note  miss- 
ing stripes  on  her  clothes 
when  transmission  is  only 
80%  complete. 


ones  can — but  lossless 
compression  may  be  an 
end-application  require- 
ment. For  example,  medi- 
cal images  usually  are  not 
allowed  to  be  lossy  com- 
pressed. Other  images 
where  the  pixel  data  is 
qualitatively  important  may 
be  scientific  data,  remote 
sensed  or  computer-gener- 

j   :  
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ated  visu; 

Which  way? 

After  deciding  which 
JPEG  algorithm  is  need- 
ed, the  final  issue  is 
implementation — by  what 
system  should  the  JPEG 
compression  algorithm 
be  carried  out? 
CPUs  and  RISCs:  Com- 
pressing images  with  soft- 
ware programs  executing 
on  standard  computational 
platforms  such  as  a  PC,  for 
example,  has  advantages. 
Software  is  available  today, 
and  such  software  can  be 
modified,  ported,  or  em- 
bedded into  other  products. 
Execution  speed  is  the 
major  drawback  of  this 
approach.  Today's  80286 
processors  or  even  RISC 
chips  cannot  do  the  calcula- 
tions fast  enough  for  fast 
compression,  let  alone  real- 
time compression.  Using 
general  purpose  CPU  soft- 
ware for  JPEG  compres- 
sion only  makes  sense 
when  compression  re- 
quests are  infrequent 

Building  blocks  and 
chipsets:  ICs  are  available 
which  perform  computa- 
tionally intensive  tasks 
very  quickly.  These 
ICs — chip  sets — can  be  connected  togeth- 
er to  implement  JPEG  compression  on  a 
circuit  board  in  hardware.  Examples  of 
these  building  blocks  would  be  8x8  DCT 
chips,  motion  vector  estimation  chips,  and 
now  even  some  quantization  and  entropy 
coding  accelerators.  Both  SGS-Thomp- 
son/INMOS  and  LSI  Logic  offer  these 
types  of  chips.  The  advantage  to  using 


these  chips  is  primarily  their  speed.  Typi- 
cally, you  would  select  one  vendor  and  use 
that  chipset;  mixing  vendors  may  be  diffi- 
cult if  the  timing  and  other  signals 
between  chips  are  incompatible. 

The  disadvantages  of  chip  sets  are  high 
cost  of  the  completed  implementation  and 
relatively  little  flexibility.  Flexibility  is 
extremely  important  as  users  demand 
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dynamic  solutions  and  as  systems  migrate 
towards  multimedia  capabilities.  For 
example,  today's  chipsets  are  fine  for 
sequential  DCT  systems  with  Huffman 
coding  (if  the  final  standard  is  identical  to 
the  current  version),  but  what  happens  if 
the  end-application  requires  arithmetic 
coding,  or  lossless  compression,  or  maybe 
even  simply  progressive  coding? 


JPEG  VLSI  chips:  Single-chip  VLSI  JPEG 
coders,  such  as  the  CL550A  from  C-Cube, 
combine  the  separate  building  block  ICs  of 
chip  sets  into  a  single  IC,  reducing  cost, 
power,  and  complexity.  The  drawback  for 
the  end-user  is  that  this  is  the  most  rigid 
and  inflexible  solution.  All  the  inflexibility 
of  chip  sets  exist  with  single-chip  solutions, 
but  more  severely,  since  the  "chip  set"  has 


been  already  arranged  for  you  in  VLSI  and 
there  is  no  access  to  the  internal  architec- 
ture for  modifications,  no  reprogrammabil- 
ity  in  a  turnkey,  baseline  JPEG  chip. 

Case  for  programmable  DSPs 

For  many  applications,  the  best  bal- 
ance between  cost,  flexibility,  and  pro- 
cessing throughput  is  achieved  by 
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reprogrammable  digital  signal  proces- 
sors. DSPs  are  optimized  for  signal  pro- 
cessing computations,  much  more  so 
than  even  the  fastest  RISC  chips. 
Because  DSPs  are  general  purpose, 
cost  is  low  due  to  the  large  volume  of 
DSP  chips  manufactured.  Development 
time  is  sharply  reduced  because  of 
mature  and  powerful  development  aids. 
DSPs  are  available  from  Analog 
Devices,  Texas  Instruments,  Motorola, 
and  AT&T,  for  example. 

Flexibility  is  their  outstanding  feature:  the 
same  DSP  can  perform  JPEG  compres- 
sion at  one  instant,  digital  audio  compres- 
sion at  another,  even  handle  incoming  tele- 
phone calls  upon  interrupt  control,  and 
interface  to  UARTs,  MIDI  controllers,  as 
examples.  However,  DSPs  are  probably 
not  the  best  choice  in  rigid,  single-applica- 
tion, embedded  systems  where  JPEG  is 
the  sole  task  to  be  performed  at  real-time, 
because  those  applications  do  not  require 
the  DSP  flexibility  and  probably  could  not 
afford  the  slower  DSP  throughput. 

DSPs  today  are  available  on  bus  plug-in 
boards.  Future  personal  computers  with 
multimedia  options  will  use  powerful 
DSPs  on  the  motherboard,  alongside  the 
CPU,  to  perform  various  signal  process- 


ing tasks  as  they  are  developed.  Ironical- 
ly, much  of  the  progress  in  multimedia 
applications  will  be  made  by  developing 
the  algorithms  right  on  the  personal  com- 
puter— by  bringing  this  capability  to  the 
general  engineering  public. 

By  choosing  a  DSP  in  a  related  family, 
based  on  a  powerful  and  flexible  inter- 
nal open  architecture,  code  compatibili- 
ty is  assured.  This  allows  an  upgrade 
path  and  portable  software  without  risk- 
ing the  investment  already  made  in 
code  development.  An  example  of  such 
a  family  is  the  ADSP-2100  family  of 
DSPs  from  Analog  Devices,  Inc.  with  a 
variety  of  memory,  I/O  and  packaging 
options,  but  with  a  unified,  common 
register  set  and  basic  architecture. 

For  example,  due  to  their  algebraic  syn- 
tax instruction  set,  assembly  language 
programming  on  these  DSPs  is  much 
easier  than  typical  "assemblers."  Gone 
are  the  cryptic  mnemonics,  operators, 
and  operands  associated  with  early  (and 
many  present)  DSPs.  Features  of  these 
DSPs  which  are  needed  for  DCT  compu- 
tations include  the  nestable  zero-over- 
head looping,  the  independent  barrel 
shifter,  and  the  data  address  generators 
(DAGs)  with  bit-reverse  capability.  For 


zigzag  scanning  of  the  DCT  coefficients, 
the  DAGs  are  indispensable,  because  of 
the  ability  to  mix-and-match  index  regis- 
ters with  modify  registers,  allowing  sin- 
gle-cycle access  in  a  zigzag  fashion.  With 
each  access,  the  index  pointer  is  updated 
by  one  of  four  available  modify  registers, 
depending  on  which  direction  the  zigzag 
scan  proceeds.  The  independent  barrel 
shifter  (capable  of  N-bit  left/right  shifts  in 
a  single  cycle)  is  especially  powerful  in 
variable  length  entropy  coding  (VLCs, 
Huffman,  arithmetic). 

With  compression  algorithms  and  associ- 
ated ICs  proving  the  enabling  technology 
at  affordable  prices,  a  major  revolution  in 
imaging  storage  and  transmission  is  immi- 
nent. Until  now,  the  availability  of  moving 
color  pictures  with  sound  has  been  limited 
to  non-computer  electronics  such  as  televi- 
sion. Providing  this  capability  to  the  user 
at  the  computer  interface  will  significandy 
reduce  the  barrier  between  computers 
and  the  general  public. 

Our  appreciation  to  Jergen  Vaaben  at 
autoGraph  International  A/S,  Lyngby, 
Denmark,  for  the  images. 
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Digital  Control  System  Design  with  the  ADSP-2100  Family 

by  Kapriel  Karagozyan 


INTRODUCTION 

The  ADSP-2100  Family  of  Digital  Signal  Processors  is  well 
suited  for  implementing  complex  measurement  and  control 
algorithms  in  embedded  control  systems  with  high  sampling 
rates.  This  is  mainly  due  to  their  computing  speed,  which  is 
much  greater  than  that  of  conventional  microcontrollers  and 
microprocessors.  Typical  application  areas  include  servo 
motor  control,  process  control,  robot  arm  control,  disk  drive 
head  control,  flight  control  and  general  servomechanisms. 

This  application  note  presents  the  implementation  of  several 
common  control  algorithms  on  the  ADSP-21 00  Family  of  DSP 
processors,  and  presents  software  and  hardware  design 
methods  as  well  as  guidelines  for  designing  high  speed  digital 
control  systems  with  the  ADSP-2100  Family.  A  table  of 
representative  benchmarks  for  common  digital  control 
algorithms  can  be  found  at  the  end  of  this  note. 

DIGITAL  CONTROL  SYSTEMS  OVERVIEW 

A  controller  is  a  system  used  to  control  closed-loop  feedback 
systems.  It  implements  algebraic  algorithms,  such  as  filters 
and  compensators,  in  order  to  regulate,  correct,  or  change  the 
behavior  of  a  controlled  system.  Controllers  can  be 
implemented  using  analog  or  digital  circuitry.  A  digital  control 
system  is  comprised  of  a  digital  controller,  the  controlled  plant 
(or  system),  and  the  necessary  input/output  devices.  A  general 
digital  control  system  is  shown  in  Figure  1 .  Note  the  analog-to- 
digital  (A/D)  and  digital-to-analog  (D/A)  converters  that  are 
used  to  interface  the  digital  controller  with  the  plant  (which  is 
a  continuous  time  system).  There  are  several  advantages  to 
using  a  digital  controller  implementation  instead  of  an  analog 
one.  In  the  case  of  digital  controllers,  complex  control 
algorithms  can  be  implemented  in  software  or  firmware  rather 
than  in  special  hardware.  Digital  controller  designs  and 
parameters  can  be  changed  without  affecting  the  hardware.  In 
digital  control  systems  increased  noise  immunity  is 
guaranteed  and  parameter  drift  is  eliminated.  Such  systems 
are  more  reliable,  maintainable,  and  testable.  Finally,  digital 
control  systems  feature  reduced  size,  power,  weight  and 
costs. 


COMMAND 
INPUTS 


DIGITAL 
CONTROLLER 


Figure  1.  General  Digital  Control  System 

Analog  Devices'  ADSP-2100  Family  of  Digital  Signal 
Processors  has  several  beneficial  features  for  implementing 
digital  controllers.  These  features  include  the  following: 

•  Single-cycle  instruction  execution 

•  Three  arithmetic  function  units  arranged  in  parallel 

•  Single-cycle  16x1 6-bit  multiplications 

•  Single-cycle  ([16x16]+40  bit)  multiply-accumulate 
operations  with  40-bit  results 

•  Single-cycle  16-bit  additions,  subtractions  and  logical 
operations 

•  Single-cycle  bit  shifts  (up  to  32  bits  at  a  time) 

•  Efficient  execution  of  32-bit  (or  higher)  arithmetic 
operations 

•  Efficient  modulo  addressing  for  data  and  coefficient 
arrays  in  memory 

•  No  cycle  penalty  for  looped  code  execution 

•  Single-cycle  access  of  internal  and  external  memory 

•  Single  or  multi-cycle  parallel  accesses  of  external 
peripherals  (i.e.,  A/D,  D/A) 

•  Up  to  four  levels  of  nested  external  interrupts 

•  On-chip  interval  timer  and  serial  ports 

•  Low  power  consumption  (CMOS)  and  power  down  "idle" 
mode 

•  Easy-to-read  algebraic  assembly  language  syntax 

•  Complete  set  of  hardware  and  software  development 
tools 
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DIGITAL  CONTROL  SYSTEM  MODEL 

Most  practical  control  systems  use  feedback  in  their  operation. 
Figure  2  shows  a  model  for  a  typical  closed-loop  digital  control 
system.  R(z),  E(z),  U(z)  and  Y(z)  are  the  z-transforms  of  the 
reference  input,  the  error  signal,  the  control  signal,  and  the 
plant  output  respectively.  G(z)  is  the  transfer  function 
corresponding  to  the  digital  controller,  while  P(z)  is  the  transfer 
function  describing  the  input-output  behavior  of  the  object  to  be 
controlled  (e.g.,  plant).  This  does  not  imply  that  the  object  to  be 
controlled  (e.g.,  a  plant)  must  be  a  discrete  system,  but  rather 
that  it  must  be  modeled  as  one.  P(z)  is  also  assumed  to  contain 
the  transfer  characteristics  of  the  A/D  and  the  D/A  converters 
that  are  needed  to  implement  a  real  system. 


R(z) 


E(z) 


G(z) 

P(z) 

Y(z) 


Figure  2.  Digital  Control  System  Model 

DIGITAL  CONTROL  SYSTEM  HARDWARE 
IMPLEMENTATION 

A  digital  controller  G(z) ,  as  shown  in  Figure  2,  must  be  able  to 
observe  and  alter  certain  characteristics  of  the  controlled 
system.  For  example,  an  ADSP-2100  Family-based  digital 
controller  can  be  used  to  control  fast  and  accurate  positioning 
of  an  actuator  shaft  upon  an  external  command  R(z).  In  this 
case,  the  output  of  the  controller  can  be  used  to  alter  the 
amount  of  current  U(z)  that  is  fed  into  the  actuator  windings 
which  in  turn  would  move  the  actuator  shaft.  In  a  closed-loop 


system,  the  same  controller  would  also  need  to  observe  the 
position  of  the  actuator  at  all  times.  This  can  be  achieved  by 
recording  the  position  Y(z)  of  the  shaft  at  specific  intervals  and 
feeding  it  back  to  the  controller.  This  would  allow  the  controller 
to  compare  the  desired  shaft  position  to  the  actual  measured 
position  and  make  the  necessary  adjustments  in  the  actuator 
current.  This  simple  controller  example  can  serve  as  a  starting 
point  for  constructing  an  actual  hardware  implementation. 

The  block  diagram  for  a  digital  control  system  based  on  the 
ADSP-2102  is  shown  in  Figure  3.  The  ADSP-2102  performs 
the  digital  control  algorithms  by  executing  instructions  from  its 
on-chip  program  memory  ROM.  The  ROM  is  also  used  to  store 
fixed  coefficients  and  scale  factors.  The  processor  uses  its  on- 
chip  data  memory  RAM  and  program  memory  RAM  to  store 
incoming  data  values  and  other  intermediate  variables. 

The  ADSP-2102  accepts  up  to  three  external  hardware 
interrupts.  In  a  typical  digital  control  system,  the  processor 
operation  is  interrupt-driven.  In  the  system  shown  in  Figure  3, 
an  external  clock  (sample  clock)  drives  one  of  the  ADSP-21 02 
interrupts.  The  same  clock  is  typically  used  to  initiate  A/D 
conversions  at  regular  intervals.  Other  interrupts  can  be  set  by 
the  host  to  notify  the  ADSP-2102  of  new  commands, 
expiration  of  a  watchdog  timer,  etc. 

The  ADSP-21 02  outputs  its  control  current  via  a  D/A  converter, 
whose  output  is  amplified  before  it  is  fed  into  the  motor.  The 
processor  receives  its  feedback  from  a  position  encoder  which 
can  be  an  optical  shaft  encoder,  a  synchro-to-digital  converter, 
a  resolver-to-digital  converter,  or  some  other  circuitry  with  an 


ANALOG  IN 

(POSITION 
FEEDBACK) 


ANALOG  OUT 

(CURRENT 
OUTPUT) 


Figure  3.  ADSP-2101  Based  Actuator  Controller 
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A/D  converter.  The  A/D  label  is  used  in  the  figure  since 
feedback  essentially  involves  an  analog-to-digital  conversion. 
Data  transfers  between  the  processor  and  the  converters  are 
done  over  the  1 6-bit  data  bus.  The  converters  are  mapped  into 
the  ADSP-21 02's  external  data  memory  space.  This  allows  the 
processor  to  access  them  as  memory  locations.  The  address 
decoding  circuitry  shown  in  Figure  3  is  used  to  map  every 
converterto  a  separate  data  memory  location.  If  the  converters 
have  slow  data  bus  interfaces,  the  processor  can  extend  the 
duration  of  the  converter  access  cycles  by  inserting  wait 
states.  The  data  converters  can  also  be  tied  to  the  ADSP- 
21 02's  serial  ports  if  it  is  more  convenient  to  do  so.  Several 
serial  input  and  serial  output  converters  are  available  from 
Analog  Devices,  such  as  the  AD766,  AD7772,  AD7868,  and 
AD7878. 

The  ADSP-21 02  receives  its  reference  position  command  R(z) 
from  a  host  processor  or  an  internal  software  routine  that  is 
running  concurrently  with  the  shaft  positioning  program. 
Figure  3  depicts  the  case  where  serial  port  0  on  the  ADSP- 
21 02  is  used  to  exchange  commands  and  results  with  a  host 
processor.  The  flag  out  pin  on  the  ADSP-21 02  can  be  used  to 
notify  the  host  of  the  completion  of  a  specific  task. 

The  ADSP-21 00  Family  processors  can  interface  with  multiple 
A/D  and  D/A  converters  in  order  to  monitor  and  control  several 
motors,  actuators,  or  processes.  These  converters  can  simply 
be  added  as  memory-  mapped  peripherals  like  the  ones  shown 
in  Figure  3.  Several  general  purpose  and  special  purpose  data 
converters  for  digital  control  applications  are  available  from 
Analog  Devices. 

DIGITAL  CONTROL  SYSTEM  SOFTWARE 
IMPLEMENTATION 

The  software  running  in  a  digital  controller  system  is 
responsible  for  executing  the  control  algorithms  which  are 
represented  by  G(z)  in  the  model  on  Figure  2.  Typically,  G(z) 
can  be  broken  into  smaller  sub-tasks.  For  example  it  may  be 
necessary  to  execute  a  state  estimator,  several  notch  filters 
and  some  PID  (Proportional,  Integral,  Derivative)  control  as  a 
whole  function.  Generally,  a  separate  portion  of  the  software 
must  manage  the  input/output  operations  of  the  controller  with 
the  host  and  other  peripherals.  A  diagnostic  error  checking  and 
handling  routine  is  also  usually  developed,  to  be  run  at 
powerup  or  at  specified  intervals  during  program  execution. 
Finally  there  is  a  main  manager  routine  that  is  responsible  for 
the  orchestration  of  these  different  subroutines. 

The  software  must  be  organized  in  a  modular  manner  in  order 
for  the  main  managing  program  to  call  every  sub-task  as  a 
subroutine.  The  ADSP-21 00  Family  Development  Software 
tools  encourage  modular  programming.  The  subroutines  can 
be  written,  assembled,  and  debugged  as  independent 
modules  which  can  later  be  linked  with  the  main  manager 
program.  Parameter  passing  and  symbolic  coding  is 
supported  on  the  assembler,  linker  and  simulator.  An  example 
of  a  fully  coded  notch  filter  algorithm  is  shown  in  a  later  section 


of  this  application  note.  The  ADSP-21 00  Assembler  and 
Simulator  manuals  describe  the  software  tools. 

Memory  management  is  very  straightforward  in  the  ADSP- 
21 00  Family  processors.  The  Data  memory  (DM)  space  is 
typically  used  for  variables  and  data  storage.  The  incoming  A/' 
D  samples  can  be  stored  in  data  memory  buffers.  A  large 
number  of  variables  and  intermediate  values  can  also  be 
stored  in  DM  space.  The  Program  memory  (PM)  space  is 
divided  into  two  sections:  the  PM  instruction  space  and  the  PM 
data  space.  The  instruction  space  is  used  to  store  the 
programs  to  be  executed.The  PM  space  can  also  be  freely 
used  for  additional  data  and  variable  storage.  This  data  space 
is  usually  used  to  store  filter  coefficients  and  various  other 
tables  that  may  need  to  be  present  during  program  execution. 
The  ADSP-21 00  Family  processors  can  read  or  write  to  both 
DM  and  PM  locations  in  a  single  instruction  cycle  and  execute 
an  arithmetic  operation  at  the  same  time.  This  not  only  allows 
classical  control  algorithms  to  execute  at  very  high  speeds  but 
also  allows  very  efficient  implementation  of  adaptive  control 
algorithms.  This  is  due  to  the  fact  that  in  adaptive  control,  filter 
coefficients  must  be  updated  periodically  with  every  new 
incoming  sample.  These  coefficient  values  can  be  updated 
easily  in  the  PM  space  and  can  be  readily  available  on  the  next 
processing  cycle. 

The  following  sections  discuss  the  implementation  of  first, 
second,  and  higher-order  control  algorithms  with  the  ADSP- 
21  00  Family  processors. 

DIGITAL  PID  CONTROLLER  DESIGN 

The  controller  G(z)  shown  in  Figure  2  can  be  designed  to  vary 
its  output  U(z)  in  relation  to  the  error  feedback  E(z).  A  PID 
(Proportional,  Integral,  Derivative)  controller  derives  its  name 
from  the  fact  that  its  output  U(z)  is  a  weighted  sum  of  the  error 
signal,  its  integral,  and  its  derivative.  PID  controllers  are 
widely-used  building  blocks  in  a  large  variety  of  servo  control 
applications. 

Since  analog  PID  controllers  are  well  understood,  it  is  often 
desirable  to  start  a  digital  PID  controller  design  in  the 
continuous  domain  and  then  create  discrete  equivalents.  In 
the  continuous  time  case  if  E(t)  is  the  error  feedback,  the  PID 
output  U(t)  can  be  expressed  as: 


U(t)  =  Kp.E(t)  +  Kd-dEW/dt  +  Kj-  „J  t  E(x)dx 


(1) 


where  Kp,  Kjj,  and  Kj  are  the  gains  associated  with  the 
proportional,  derivative,  and  integral  terms,  respectively. 
Equation  (1)  can  be  represented  in  the  frequency  domain  by 
using  Laplace  transforms: 

U(s)  =  Kp-E(s)  +  Kd-s-E(s)  +  (Kj/s)  E(s)  (2) 

where  it  is  assumed  that  the  initial  conditions  are  0.  The 
equations  (1 )  and  (2)  are  graphically  represented  in  Figure  4. 
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U(z)  /  E(z)  =  [  Arz2  +  A2-z  +  A3  ]  /  [  z2  -  z  ]  (6) 

with 

A1  =  Kp  +  Kj-T  +  Kjj  /  T 
A2  =  -[Kp  +  2Kd/T] 
A3  =  Kd/T 

Transfer  functions  and  difference  equations  for  PD  and  PI 
controllers  can  also  be  derived  in  a  similar  manner.  Figure  5 
shows  the  results  for  these  as  well  as  for  the  PID  controllers. 

PID  CONTROLLER  IMPLEMENTATION 

An  ADSP-2100  Family  assembly  language  subroutine  that 
implements  the  PID  algorithm  is  shown  in  Listing  1 .  There  are 
a  number  of  registers  that  need  to  be  initialized  in  order  to 
execute  this  subroutine.  It  may  be  sufficient  to  do  this 
initialization  only  once  (e.g.  on  powerup)  if  other  algorithms 
that  are  being  executed  do  not  need  to  use  these  registers.  In 
most  typical  cases,  however,  some  of  these  registers  may 
need  to  be  set  every  time  the  PID  subroutine  is  called. 

The  PID  routine  in  Listing  1  takes  its  input  from  the  AR  register. 
This  register  must  contain  the  16-bit  error  input  E(n).  E(n)  is 
assumed  to  be  already  computed  before  the  PID  subroutine  is 
called.  The  output  of  the  PID  algorithm,  U(n),  is  made  available 
in  the  SR1  register. 


PD  Controller 

PI  Controller 

PID  Controller 

Definitions 

A1  =   Kp  + 

J 

A.=  -J^D_ 
T 

A,  =    Kp    +    K,  T 
A2=  -Kp 

A,  =   Kp   +   K,  T  +  _Hd_ 
KD  , 

A2=   -[  Kp   +  ] 

A,=  Jl2_ 
T 

Transfer     C  (z) 
Function,    rf  (Z) 

A,  z    +  A2 

A1  z    +  A2 

A1  z2    +     A2  z    +  A3 

z 

z-1 

z2-z 

Difference 
Equation 

U(n)=A1E(n)  +  A2E(n-1) 

U(n)  =   U(n-1)  +  A:E(n) 
+  A2E  (n-1) 

U(n)  =   U(n-1)+  A^n) 

+  A2E(n-1)  +  A3E(n-2) 

Figure  5.  PD,  PI,  and  PID  Controllers 
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Figure  4.  PID  Block  Diagram 

Other  types  such  as  PD  (Proportional,  Derivative)  and  PI 
(Proportional,  Integral)  controllers  can  also  be  expressed  in  a 
similar  manner  to  the  PID  relationships  in  (1)  and  (2).  These 
controllers  lack  either  the  differential  or  the  integral  term  that 
exists  in  the  relationships  above. 

The  next  step  is  to  derive  the  discrete  equivalent  for  the 
controller  described  by  equations  (1)  and  (2).  The  backward 
difference  is  defined  as  the  discrete-time  equivalent  for  the 
continuous-time  derivative  of  a  function.  It  is  obtained  by: 


A/(t)  =  [/(t)-/(t-T)]/T 

where  T  is  the  sample  period. 


(3) 


The  definite  sum  is  defined  as  the  discrete  time  equivalent  for 
the  continuous  time  integral  of  a  function.  It  is  obtained  by: 


aJb/W  =  T[/(a+T)  +  /(a+2T)  + 

where  T  is  the  sample  period. 


+  /(b)J 


(4) 
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.MODULE  PID_CONTROLLER; 

(      This  is  a  PID  controller  subroutine  that  executes  the  following  equation: 


U(n)  =B'U(n-l)  +A0-E(n)  +  Al-E(n-1)  +  A2-E(n-2) 


Calling  Parameters : 


AR= 
10  -> 

14  -> 
M0,M4= 
L0  = 
L4  = 
SE= 


error  input  E  (n)  ,   [E  (n)  =  Y  (n)  -  R  (n)  ] 

circular  delay  line  buffer  for  E  (n-2)  ,  E  (n-1)  and  U  (n-1) 
this  delay  buffer  must  be  initialized  to  zero  at  powerup 
circular  buffer  for  the  scaled  coefficients  A2,  Al,  AO,  B 
1 
3 


scaling  factor  for  the  coefficients 


Return  Value : 


SR1=     output  sample  U  (n) 

Altered  Registers  : 

MXO,  MX1,  MYO ,  MR,  SR 


Computation  Time : 
ADSP2101/2 
ADSP2105/6 
ADSP2100/A 


8  Instruction  Cycles 
8  Instruction  Cycles 
12  Instruction  Cycles 


} 

.  ENTRY 
PID: 


All  coefficients  and  data  values  are  assumed  to  be  in  1 . 15  format 


PID; 


MXO  =  DM  (10,  MO)  ,  MYO  =  PM(I4,M4)  ; 

MR  =  MX0*MY0  (SS)  ,  MX1  =  DM(I0,M0)  ,  MYO  =  PM(I4,M4)  ; 
MR  =  MR+MX0*MY0  (SS)  ,  MYO  =  PM(I4,M4)  ; 

MR  =  MR+AR*MY0  (SS)  ,  MXO  =  DM(I0,M0)  ,  MYO  =  PM(I4,M4)  ; 

MR  —  MR+MX0*MY0  (RND)  ,  DM  ( 10  ,  MO  )  -  MX1 ; 

SR  -  ASHIFT  MR1   (HI),  DM  (10, MO)  =  AR; 

DM (10, MO)  =  SRI; 

RTI; 


.ENDMOD; 


Listing  1.  PID_CONTROLLER  Routine 


After  the  initial  design  of  a  digital  PID  controller,  all  coefficients 
must  be  scaled  down  by  the  same  factor.  This  is  necessary  in 
order  to  conform  to  the  16-bit  fixed-point  fractional  number 
format  as  well  as  to  insure  that  overflows  won't  occur  in  the  final 
stage  of  the  multiply-accumulate  operations.  The  scaled  down 
coefficients  are  the  ones  that  get  stored  in  the  processor's 
memory.  The  result  of  the  multiply  and  accumulate  operations 
is  eventually  scaled  up  before  being  output  to  the  controlled 
system.  The  choice  of  a  proper  scaling  factor  depends  greatly 
on  the  design  objectives  and  in  some  cases  it  may  even  be 
unnecessary.  The  PID  controller  coefficients  are  usually 
designed  with  a  commercial  software  package  in  higher 
precision  arithmetic  than  16  bits.  System  performance 
deviates  from  ideal  when  such  high  precision  PID  coefficients 
are  quantized  to  1 6  bits  and  further  scaled  down.  In  systems 
that  require  stringent  PID  specifications,  careful  simulations  of 
quantization  and  scaling  effects  must  be  performed. 


During  the  initialization  for  the  PID  routine,  the  scaling  factor  for 
the  coefficients  must  be  stored  in  the  SE  register.  The  index 
register  10  points  to  the  circular  data  memory  buffer  that 
contains  the  previous  error  inputs  and  the  previous  PID  output. 
This  buffer  must  be  initialized  to  zero  at  powerup  unless  some 
non-zero  initial  condition  is  desired.  The  index  register  14,  on 
the  other  hand,  points  to  the  circular  program  memory  buffer 
that  contains  the  scaled  PID  coefficients.  These  coefficients 
include  a  term  "B"  (for  U(n-1 )),  which  is  equal  to  the  value 
"  1 /scaling  factor ".  This  value  is  derived  from  the  fact  that  the 
real  coefficient  for  U(n-1 )  is "  1 "  and  that  it  must  be  scaled  down 
along  with  the  other  coefficients.  The  order  that  these  scaled 
coefficients  are  stored  in  program  memory  is:  A2,  A1 ,  AO,  B. 

The  PID  core  routine  fetches  the  coefficients  and  data  values 
from  memory  following  the  sequence  that  they  have  been 
stored.  These  values  are  multiplied  and  accumulated  until  all 
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of  them  are  accessed.  Note  that  both  of  the  address 
generators  are  used  in  parallel  with  the  multiply-accumulator 
throughout  these  operations.  Finally,  the  data  memory  buffer 
is  updated  with  the  new  samples  and  the  output  is  obtained  by 
scaling  up  the  result  of  the  multiplication  and  accumulation 
operations. 

The  PID  routine  executes  in  8  instruction  cycles  on  the  ADSP- 
2101  and  ADSP-2105.  It  executes  in  12  instruction  cycles  on 
the  ADSP-2100  and  ADSP2100A.  In  the  case  that  the 
initialization  registers  have  been  modified  by  other  routines,  it 
may  be  necessary  to  execute  up  to  7  overhead  setup  cycles 
before  calling  the  core  PID  routine. 

N  TH  ORDER  DIGITAL  CONTROLLER  DESIGN 

There  are  several  methods  to  design  high  order  digital 
controllers.  This  section  briefly  outlines  three  approaches  and 
cites  some  references  on  this  topic.  The  three  methodologies 
are  "analog-controller-based  digital  design",  "direct  digital 
design"  and  "state-space  design". 

Analog-Controller-Based  Digital  Design 

This  is  a  very  common  way  of  designing  digital  controllers.  In 
this  method,  an  analog  controller  that  satisfies  the  desired 
requirements  is  first  created  using  well  established  analog 
design  procedures.  This  controller  is  then  transformed  into  the 
digital  domain  and  implemented. 

The  analog  controller  design  may  be  performed  in  the  s-plane 
using  common  design  techniques  such  as  root-locus  methods, 
Bode  plots,  the  Routh-Hurwitz  criterion,  state  variable 
techniques  and  other  methods.  The  resulting  analog  transfer 
function  is  then  transformed  into  a  digital  transfer  function  in 
the  z-domain.  Finally,  the  z-domain  transfer  function  is 
inverse-z  transformed  into  a  difference  equation  that  can  be 
implemented  on  a  digital  processor. 

The  transformation  from  the  s-domain  to  the  z-domain  can  be 
accomplished  using  various  techniques  such  as  the  matched 
pole-zero  method,  the  bilinear  (Tustin)  transformation  the 
method  of  mapping  differentials,  the  impulse-invariance 
method,  the  step-invariance  method,  and  the  zero-order  hold 
technique. 

The  most  commonly  used  of  these  methods  is  the  bilinear 
transformation.  This  transformation  approximates  the  s- 
domain  transfer  function  with  a  z-domain  transfer  function  by 
use  of  the  substitution: 

s  =  (2/T)(z-1/z+1)  (7) 

Analog  controllers  that  are  in  parallel  or  cascade  maintain  their 
respective  structures  after  going  through  this  transformation. 
The  Tustin  transformation  maps  the  stable  region  of  the  s- 
plane  exactly  into  the  stable  region  of  the  z-plane  although  the 
entire  jw-axis  of  the  s-plane  is  stuffed  into  the  27t-length  of  the 
unit  circle.  Obviously  a  great  deal  of  distortion  takes  place  in 


the  mapping  in  spite  of  the  consistency  of  the  stability  regions. 
This  distortion  can  be  corrected  by  using  a  frequency  pre- 
warping  scheme.  The  pre-warping  matches  the  single  most 
important  critical  frequency  in  the  analog  domain  and  the 
digital  domain.  This  method  replaces  each  "s"  in  the  analog 
transfer  function  with 


(o)1  /  (02)  s 

where  co-|  is  the  frequency  to  be  matched  in  the  digital  transfer 
function  and  with 

CD2  =  (2/T)tan(co1T/2)  (8) 

Bilinear  transformation  with  frequency  pre-warping  is  one  of 
the  most  commonly  used  analog  based  design  techniques. 
The  most  significant  drawback  of  this  type  of  design  is  that  the 
digital  controller  that  results  from  it  is  only  an  approximation  to 
the  analog  one.  The  analog  controller  puts  an  implicit  upper 
bound  on  the  digital  controller's  performance.  More 
information  on  the  other  analog  based  controller  design 
methods  can  be  found  in  References  1  and  3. 

Direct  Digital  Design 

This  method  allows  us  to  perform  the  control  system  design 
directly  in  the  digital  domain.  Thus,  the  design  can  be  carried 
out  in  the  z-plane.  The  approximations  and  limitations  that 
arise  from  starting  in  the  s-domain  and  transforming  into  the  z- 
domain  are  eliminated.  Conventional  design  techniques  can 
be  used  to  place  the  closed-loop  poles  and  zeros  exactly 
where  appropriate.  Some  of  these  z-domain  techniques 
include  the  root-locus  method,  the  pole-zero  cancellation 
method  and  the  w-transform.  More  detailed  information  on 
these  methods  can  be  found  in  References  1  and  3. 

State-Space  Design 

The  digital  controller  design  methods  discussed  above  are 
designated  as  classical  design  methods.  Same  design  tasks 
can  be  accomplished  by  using  a  different  set  of  techniques 
based  on  the  state-space  or  modern  control  formulation. 
Modern  control  design  methodology  is  especially 
advantageous  when  designing  controllers  for  multi-input  and 
multi-output  systems.  However,  single-input  and  single-output 
systems  that  are  discussed  in  this  application  note  can  also  be 
efficiently  designed  using  state-space  methods.  More  detailed 
information  on  this  topic  can  be  found  in  References  1  and  3. 

NTH  ORDER  DIGITAL  CONTROLLER  STRUCTURES 

Standard  second  order  (N=2)  digital  controller  implementation 
is  directly  analogous  to  IIR  (Infinite  Impulse  Response)  filter 
implementations.  These  second  order  controller  blocks  can  be 
implemented  as  biquad  second  order  IIR  filter  sections.  A 
second  order  biquad  section  is  shown  on  Figure  6  and  its 
corresponding  transfer  function  in  the  z-domain  is  given  by: 

G(z)  =  U(z)/E(z)  =  (  B0  +  Brz-1  +  B2-z-2  )/( 1  +  Arz"1  +  A2-z-2  )  (9) 
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where  A-| ,  A2,  Bq,  Bi  and  B2  are  coefficients  that  determine 
the  desired  impulse  response  of  the  system  G(z). 
Furthermore,  the  corresponding  difference  equation  for  a 
biquad  section  is  given  by: 

U(n)  =  Bo-E(n)  +  BrE(n-1)  +  B2-E(n-2)  -  Arll(n-1)  -  A2-U(n-2)  (10) 

Higher  order  (N'th  order)  controllers  can  be  obtained  by 
cascading  several  biquad  sections  with  appropriate 
coefficients.  An  example  is  shown  on  Figure  7  where  three 
biquad  sections  are  cascaded  to  construct  the  overall  G(z) 
transfer  function.  Another  way  to  design  higher  order 
controllers  is  to  use  only  one  complicated  single  section.  This 
approach  is  also  called  the  direct  form  implementation.  The 
block  diagram  of  a  direct  form  fourth  order  controller  is  shown 
on  Figure  8  as  an  example. 

The  direct  form  implementation  executes  faster  but  generates 
larger  numerical  errors  than  the  biquad  implementation.  The 
biquads  can  be  scaled  separately  and  then  cascaded  in  order 
to  minimize  the  coefficient  quantization  and  the  recursive 
accumulation  errors.  The  coefficients  and  data  in  the  direct 
form  implementation  must  be  scaled  all  at  once,  which  gives 


rise  to  larger  errors.  Another  disadvantage  of  the  direct  form 
implementation  is  that  the  poles  of  such  single  stage  high  order 
polynomials  get  increasingly  sensitive  to  quantization  errors. 
The  second  order  polynomial  sections  (i.e.  biquads)  are  less 
sensitive  to  quantization  effects. 

N'TH  ORDER  CONTROLLER  IMPLEMENTATION 

An  ADSP-2100  Family  assembly  language  subroutine  that 
implements  a  high  order  controller  is  shown  in  Listing  2.  The 
subroutine  is  arranged  as  a  module  and  is  labeled 
BIQUAD  CONTROLLER.  There  are  a  number  of  registers 
that  need  to  be  initialized  in  order  to  execute  this  subroutine. 
It  may  be  sufficient  to  do  this  initialization  only  once  (e.g.  on 
powerup)  if  other  executed  algorithms  do  not  need  these 
registers.  In  most  typical  cases,  however,  some  of  these 
registers  may  need  to  be  set  every  time  the 
BIQUAD_CONTROLLER  subroutine  is  called.  It  may 
sometimes  be  beneficial,  from  a  modular  software  point  of 
view,  to  always  initialize  all  the  setup  registers  as  a  part  of  this 
subroutine. 

The  BIQUAD  CONTROLLER  routine  in  Listing  2  takes  its 
input  from  the  SR1  register.  This  register  must  contain  the  1 6 


E(n) 


D2(z) 

D3(z) 



U(n) 


G(Z)=  JW-  =  D  (z)  •  D  (z)  •  D  (z) 

Figure  7.  Cascased  Biquad  Sections 
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Figure  8.  Fourth  Order  Direct  Form  Controller 
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bit  error  input  E(n).  E(n)  is  assumed  to  be  already  computed 
before  this  subroutine  was  called.  The  output  of  the  controller 
is  also  made  available  in  the  SR1  register. 

After  the  initial  design  of  a  high  order  controller,  all  coefficients 
must  be  scaled  down  in  each  biquad  stage  separately.  This  is 
necessary  in  order  to  conform  to  the  1 6  bit  fixed  point  fractional 
number  format  as  well  as  to  insure  that  overflows  won't  occur 
in  the  final  multiply-accumulate  operations  in  each  stage.  The 
scaled  down  coefficients  are  the  ones  that  get  stored  in  the 
processor's  memory.  The  operations  in  each  biquad  are 
performed  with  scaled  data  and  coefficients  and  are  eventually 
scaled  up  before  being  output  to  the  next  one.  The  choice  of  a 
proper  scaling  factor  depends  greatly  on  the  design  objectives 
and  in  some  cases  it  may  even  be  unnecessary.  The  controller 
coefficients  are  usually  designed  with  a  commercial  software 
package  in  higher  precision  arithmetic  than  16  bits.  System 
performance  deviates  from  ideal  when  such  high  precision 
coefficients  are  quantized  to  16  bits  and  further  scaled  down. 
In  systems  that  require  stringent  specifications,  careful 
simulations  of  quantization  and  scaling  effects  must  be 
performed. 

During  the  initialization  of  the  BIQUAD_CONTROLLER 
routine,  the  index  register  10  points  to  the  data  memory  buffer 
that  contains  the  previous  error  inputs  and  the  previous  biquad 
section  outputs.  This  buffer  must  be  initialized  to  zero  at 
powerup  unless  some  non-zero  initial  condition  is  desired.  The 
index  register  11  points  to  another  buffer  in  data  memory  that 
contains  the  individual  scale  factors  for  each  biquad.  The 
buffer  length  register  L1  is  set  to  zero  if  the  controller  has  only 


one  biquad  section.  L1  is  initialized  with  the  number  of  biquad 
sections  in  the  case  of  multiple  biquads.  The  index  register  14, 
on  the  other  hand,  points  to  the  circular  program  memory 
buffer  that  contains  the  scaled  biquad  coefficients.  These 
coefficients  are  stored  in  the  order :  B2,  B1 ,  BO,  A2,  A1  for  each 
biquad.  All  of  the  individual  biquad  coefficient  groups  must  be 
stored  in  the  same  order  that  the  biquads  were  cascaded  in 
such  as:  B2,  B-| ,  B0,  A2,  A-| ,  B2*,  B-| *,  B0*,  A2*,  A-|*,B2**...etc 
The  buffer  length  register  L4  must  be  set  to  the  value  given  by: 
(5  x  number  of  biquad  sections).  Finally,  the  loop  counter 


since  the  controller  code  will  be  executed  as  a  loop. 

The  core  of  the  BIQUAD_CONTROLLER  routine  starts  its 
execution  at  the  "biquad"  label.  The  routine  is  organized  in  a 
looped  fashion  where  the  end  of  the  loop  is  the  instruction 
labeled  "sections".  Each  iteration  of  the  loop  executes  the 
computations  for  one  biquad.  The  number  of  loops  to  be 
executed  is  determined  by  the  CNTR  register  contents.  The 
SE  register  is  loaded  with  the  appropriate  scaling  factor  for  the 
particular  biquad  at  the  beginning  of  each  loop  iteration.  After 
this  operation,  the  coefficients  and  the  data  values  are  fetched 
from  memory  in  the  sequence  that  they  have  been  stored. 
These  numbers  are  multiplied  and  accumulated  until  all  of  the 
values  for  a  particular  biquad  have  been  accessed.  The  result 
of  the  last  multiply  accumulate  is  rounded  to  16  bits  and 
upshifted  by  the  scaling  value.  At  this  point  the  "biquad"  loop 
is  executed  again  or  the  controller  computations  are 
completed  by  doing  the  final  update  to  the  delay  line.  The  delay 
lines  for  data  values  are  always  being  updated  within  the 
biquad  loop  as  well  as  outside  of  it. 
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.MODULE  BIQUAD_CONTROLLER; 

{       This  is  an  Nth  order  cascaded  biquad  controller  subroutine 
Calling  Parameters : 

SR1=  error  input  E  (n)  ,     [  E  (n)  =  Y  (n)  -  R  (n)  ] 

10  ->  delay  line  buffer  for  E  (n-2)  ,  E  (n-1)  ,  Y  (n-2)  ,  Y(n-l) 
L0  =  0 

11  ->  scaling  factors  for  each  biquad  section 
LI  =  0    (in  the  case  of  a  single  biquad) 

LI  =  number  of  biquad  sections  (for  multiple  biquads) 
14  ->  scaled  biquad  coefficients 
.  L4  =  5  x  [number  of  biquads] 

.  ■  -    M0,M4  =  1  .  . 

Ml  =  -3    ,  ;     at  MBmttiM  artr  emit  *»va  awlainai  alai-icrntttir 

M2  =  1  (in  the  case  of  multiple  biquads) 
•  ■"„■..•■'..  r    '  .      ,     ,  .It  «■  ■  ■■ 

M2  =  0  (in  the  case  of  a  single  biquad) 

M3  =  (1  -  length  of  delay  line  buffer) 

Return  Value: 

SRI  =  output  sample  U(n) 

Altered  Registers: 

SE,  MXO,  MX1,  MYO,  MR,  SR 

Computation  Time  (with  N  even)  : 

ADSP-2101/2102:  (8  x  N/2)  +  5  instruction  cycles 

ADSP-2100/2100A:  (8  x  N/2)  +5  +  5  instruction  cycles 

All  coefficients  and  data  values  are  assumed  to  be  in  1 . 15  format 

} 

. ENTRY  CONTROLLER; 

BIQUAD:  CNTR  =  number  of  biquads 

DO  SECTIONS  UNTIL  CE; 

SE  =  DM(I1,M2)  ; 

MXO =  DM(I0,M0) ,  MYO  =  PM(I4,M4) ; 

MR  =  MX0*MY0  (SS)  ,  MX1  =  DM  (10,  MO)  ,  MYO  =  PM  (I4,M4)  ; 
MR  =  MR+MX1*MY0 (SS) ,  MY0=PM ( 14 , M4 ) ; 

MR  =  MR+SR1*MY0  (SS)  ,  MXO  =  DM  (10,  MO)  ,  MYO  =  PM(I4,M4)  ; 

MR  =  MR+MX0*MY0  (SS)  ,  MXO  =  DM(I0,M1)  ,  MYO  =  PM(I4,M4)  ; 

DM(I0,M0)  =  MX1,  MR  =  MR+MX0*MY0  (RND)  ; 
SECTIONS :  DM(I0,M0)  =SR1,  SR  =  ASHIFT  MR1  (HI); 

DM (10, MO)  =  MXO; 
DM(I0,M3)  =  SRI; 
RTS; 

.ENDMOD; 

Listing  2.  BIQUAD  CONTROLLER  Routine 
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The  controller  coefficients  must  be  scaled  appropriately  so  that 
no  overflows  occur  after  the  upshifting  operation  between  the 
biquads.  If  this  is  not  insured  by  design,  it  may  be  necessary 
to  include  some  overflow  checking  between  the  biquads. 

The  execution  time  for  an  N'th  order  BIQU  AD_CONTROLLER 
routine  can  be  calculated  as  follows  (assuming  that  the 
appropriate  registers  have  been  initialized  and  N  is  a  power  of 

2): 

ADSP21 01/21 05       :  (8  x  N/2)  +  4  processor  cycles 
ADSP21 00/21 00A      :  (8  x  N/2)  +4  +  5  processor  cycles 

It  may  take  up  to  a  maximum  of  1 1  cycles  to  initialize  the 
appropriate  registers  every  time  the  controller  is  called.  But 
typically  this  number  will  be  lower  in  most  applications. 

NOTCH  FILTER  EXAMPLE  FOR  THE  ADSP-2100A 

A  fully  coded  ADSP-21 00A  notch  filter  program  is  presented  in 
this  section.  The  program  executes  two  cascaded  biquad 
sections  and  is  designed  to  run  standalone  on  an  ADSP- 


21 00A.  The  processor  reads  the  input  samples  from  a  data 
memory  mapped  A/D  converter  and  sends  the  filtered  output 
to  a  data  memory  mapped  D/A  converter.  The  operation  of  the 
ADSP-21 00A  is  interrupt  driven.  The  occurrence  the  IRQO 
interrupt  notifies  the  processor  that  there  is  a  new  sample 
ready  at  the  A/D  converter  output.  The  ADSP-21 00A  normally 
waits  in  a  wait  loop,  processes  the  incoming  samples  upon  an 
interrupt  and  returns  to  the  wait  loop  again.  This  process  starts 
with  a  reset  or  powerup  and  repeats  until  a  powerdown  or 
another  reset  occurs.  The  full  code  of  the  notch  filter  is  shown 
in  Listing  3. 

The  program  starts  with  some  variable,  constant  and  port 
declarations.  These  declarations  allow  the  program  to  refer  to 
specific  memory  addresses  symbolically.  This  greatly  eases 
the  software  maintenance  and  debugging  tasks  at  the 
assembly  level.  In  order  to  run  this  program,  the 
NOTCH_FILTER  assembly  module  shown  in  Listing  3  must  be 
first  assembled  using  the  ADSP-21 00  assembler.  It  must  then 
be  linked  with  an  architecture  description  file  that  was  built 
using  the  ADSP-21 00  system  builder.  This  architecture  file 


(THIS  IS  AN  ADSP2100A  ASSEMBLY  PROGRAM  THAT  EXECUTES  A  FOURTH} 
(ORDER  NOTCH  FILTER  IN  A  CASCADED  BIQUAD  IMPLEMENTATION} 

.MODULE/RAM  NOTCH  FILTER; 


(The  name  of  the  module} 


.VAR/PM/CIRC 
.  VAR/DM 
.VAR/DM/CIRC 


COEFFICIENTS [10] ; 
DAT A_BUFFER  [  6  ]  ; 
SCALE  FACTORS  [2]  ; 


(These  are  the  declarations  for} 
(data  and  program  memory  buffers} 


.PORT 
.PORT 


AD__CONVERTER; 
DA  CONVERTER; 


(There  is  one  input  port  and  one} 
(output  port  in  the  system} 


.INIT 
.INIT 
.  INIT 


COEFFICIENTS:  <COEFF .  DAT>;       ( The  memory  buff  ers  } 
DATA_BUFFER:  < INITIAL. DAT>;     ( are  initialized  here } 
SCALE__FACTORS :  <SCALE . DAT> ; 

(Interrupt  vector  for  IRQO  } 


JUMP  BIQUAD; 
RTI; 
RTI; 
RTI; 


10  =  "DATA_BUFFER; 
L0  =  0; 

11  =  "SCALE_F  ACTORS  ; 
LI  =  %SCALE_FACTORS; 
14  =  ^COEFFICIENTS; 
L4  =  %COEFFICIENTS; 
M0  =  1; 

Ml  =  -3; 
M2  =  1; 
M3  =  -5; 
M4  =  It 

ICNTL  =  B#00001; 
I MASK  =  B#0001; 
JUMP  WAIT; 


(These  are  the  proper  initializations} 
(for  the  index,  length  and  modify } 
(registers  to  be  used} 


(Set  IRQO  to  be  edge  sensitive} 
(Enable  IRQO  interrupt  only} 
(Wait  for  IRQO  interrupt  to  occur} 
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(The  interrupt  service  routine  below  executes  the  two  biquad  sections  of  the  filter} 


B I  QUAD : 


.ENDMOD; 


SR1=DM (AD__CONVERTER) ;  {Read  the  A/D  converter) 

CNTR  =  %SCALE_FACTORS; 
DO  SECTIONS  UNTIL  CE; 

SE  =  DM(I1,M2)  ; 

MXO  =  DM  ( 1 0 ,  MO )  ,  MYO  =  PM  ( 1 4 ,  M4  )  ; 

MR  =  MX0*MYO  (SS)  ,  MX1  =  DM  (10,  MO)  ,  MYO  =  PM  ( 1 4  ,  M4  )  ; 
MR  -  MR+MX1*MY0 (SS) ,  MY0=PM ( 14 , M4 )  ; 

MR  =  MR+SR1*MY0  (SS)  ,  MXO  =  DM  (10,  MO)  ,  MYO  =  PM(I4,M4)  ; 

MR  =  MR+MX0*MY0  (SS)  ,  MXO  =  DM  (10,  Ml)  ,  MYO  =  PM(I4,M4)  ; 

DM(I0,M0)  =  MX1,  MR  =  MR+MX0*MY0  (RND)  ; 

DM(I0,M0)  =  SRI,  SR  =  ASHIFT  MR1  (HI); 
DM(I0,M0)  =  MX0; 
DM(I0,M3)  =  SRI; 

DM (DA_CONVERTER)  =  SRI;  {Send  the  filtered  output  to  the  D/A) 

RTI;  {Return  to  the  wait  loop) 


Listing  3.  NOTCHFILTER  Routine 


should  be  specific  to  the  particular  hardware  configuration  that 
the  ADSP-2100A  is  being  built  in.  The  assembly  module  also 
needs  to  be  linked  with  three  data  files  along  with  the 
architecture  file.  The  first  data  file  must  contain  the  scale 


factors,  the  second  one  must  contain  the  scaled  coefficients 
and  the  third  one  must  contain  the  initial  values  for  the  delay 
taps  of  the  filter. 


ADSP-2100  Family  Benchmarks  For  Digital  Control  Applications 

ADSP-2101  (60  ns) 

ADSP-2105  (100  ns) 

PID  Loop 

0.48  us 

0.8  us 

FIR  Filter 

60  ns/tap 

100  ns/tap 

IIP.  Biquad  -  16  Bit  (2nd  Order) 

0.72  us 

1.2us 

IIP,  Biquad  -  16  Bit  (nth  Order) 

4N  +  4  cycles 

4N  +  9  cycles 

IIP,  Biquad  -  32  Bit  (2nd  Order) 

2.64  us 

4.4  us 

MR  Biquad  -  32  Bit  (nth  Order) 

16N  +  12  cycles 

1 6N  +  22  cycles 

256-Point  FFT  (Complex) 

0.405  ms 

0.675  ms 

Matrix  Multiply  (3x3  *  3x1 ) 

3.12  us 

5.2  us 

Stochastic  Gradient  (LMS) 
N  Tap  Coefficient  Update 

2N  +  9  cycles 

2N  +  9  cycles 
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Loading  an  ADSP-2101  Program  via  the  Serial  Port 

by  Gerald  McGuire 


INTRODUCTION 

For  many  DSP  applications,  it  is  desirable  to  have  a  DSP 
processor  under  the  control  of  a  host  computer.  In  these 
situations,  the  host  computer  would  download  a  program  for 
the  DSP  to  execute.  The  ADSP-21 01  provides  two  serial  ports 
suitable  for  program  download  from  a  host  computer.  This 
application  note  details  the  ADSP-2101  monitor  program  for 
downloading  from  a  serial  port.  The  monitor  program  itself 
would  be  booted  from  EPROM  or  other  boot  memory.  While 
this  example  uses  serial  port  zero,  the  principal  could  be 
extended  to  download  via  a  memory-mapped  parallel  port. 


A  MONITOR 

The  task  of  the  host  computer  is  to  download  a  series  of 
instructions  to  the  ADSP-21 01  for  execution.  The  ADSP-21 01 
receives  the  incoming  instructions,  loads  them  into  program 
memory  and  when  all  instructions  have  been  received, 
executes  them.  Prior  to  and  during  the  download  from  the  host, 
the  ADSP-2101  executes  a  monitor  program.  This  monitor 
activates  the  serial  port,  receives  the  instructions  and  places 
them  in  program  memory  for  execution. 

The  ADSP-2101  instruction  is  twenty-four  bits  wide  but  many 
hosts,  including  eight-bit  processors,  more  readily  handle 
byte-wide  data.  Since  the  serial  port  can  accommodate  serial 
words  from  three  to  sixteen  bits  in  length,  byte-length  data 
words  are  easily  received. 

Whenever  a  program  memory  write  occurs,  the  sixteen  most 
significant  bits  are  supplied  by  the  source  register,  explicitly 
named  in  the  instruction,  and  the  eight  LSBs  are  supplied  by 
the  PX  register.  The  basic  tactic  of  the  monitor  program  is  to 
assemble  the  two  most  significant  bytes  in  a  data  register 
(using  the  Shifter)  and  load  PX  explicitly  with  the  least 
significant  byte.  A  program  memory  write  then  writes  the 
correct  twenty-four  bit  instruction. 


straight  forward  method  is  to  count  the  number  of  instructions 
sent  to  the  serial  port.  A  count  value  is  sent  to  the  ADSP-21 01 
before  the  first  instruction.  This  is  the  count  of  the  instructions 
to  follow.  After  each  instruction  is  downloaded,  the  count  can 
be  decremented. 

The  downloaded  program  must  avoid  overwriting  the  monitor 
program  while  the  monitor  executes.  The  last  instruction  of  the 
monitor  program  is  identified  by  a  global  label  which  also 
identifies  the  beginning  of  the  available  space  for  downloaded 
code.  The  monitor  program  must  be  linked  with  the 
downloaded  program  so  that  the  downloaded  program  makes 
the  correct  address  references  including  the  reference  to  this 
global  label. 

The  indirect  addressing  capabilities  of  the  Data  Address 
Generators  on  the  ADSP-2101  make  it  easy  to  cycle  through 
the  correct  sequential  locations  starting  with  the  label. 

The  final  concern  is  the  interrupt  table.  If  the  downloaded 
program  is  interrupt-driven,  the  interrupt  table  (program 
memory  H#0000  to  H#001C)  must  contain  valid  instructions 
for  servicing  expected  interrupts. 

There  are  several  ways  to  do  this.  First,  the  monitor  program 
itself  could  contain  the  valid  interrupt  table  for  the  program  to 
be  downloaded.  This  assumes  that  the  interrupt  structure  of 
the  downloaded  program  is  known  when  the  monitor  program 
is  created.  Second,  the  interrupt  table  may  be  downloaded 
through  the  serial  port  just  as  the  rest  of  the  program  is.  The 
DAG  can  loaded  with  the  start  address  of  the  interrupt  table 
and  the  instructions  can  be  loaded,  but  you  may  not  overwrite 
the  interrupt  being  used  to  receive  the  data  on  the  serial  port 
until  all  instructions  have  been  received. 

The  monitor  program  example  does  not  load  an  interrupt  table. 
The  best  approach  is  dependent  on  your  application. 


In  addition  to  the  transfer  of  instructions  through  the  serial  port 
into  program  memory,  the  monitor  program  must  also  know 
when  the  download  is  complete  and  execution  can  begin.  A 


IMPLEMENTATION 


The  first  task  of  the  monitor  program  is  to  setup  and  enable  the 
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Write  24  bit  ins.  to  PM, 
increment  pointer, 
decrement  count 


Figure  1.  Boot  Program  Flow  Diagram 


serial  port.  Serial  ports  on  the  ADSP-2101  are  extremely 
flexible  in  terms  of  framing  options,  word  lengths  and  timing. 
The  ADSP-21 01  serial  ports  may  receive  the  frame  synch  and 
serial  clock  from  the  host  processor  or  generate  them 
internally. 

As  the  program  is  downloaded  from  a  host  computer,  the 
ADSP-2101  looks  to  the  host  for  serial  port  information.  That 
is,  the  serial  port  frame  synchronization  and  serial  port  clock 
are  supplied  by  the  host  computer.  For  purposes  of  illustration, 
the  code  that  appears  at  the  end  of  this  application  note  uses 
normal  framing  and  external  receive  frame  synchronization. 
For  externally  generated  serial  clocks  the  ADSP-2101  can 
support  frequencies  up  to  the  processor  instruction  rate. 

The  flow  for  the  monitor  program  is  shown  in  Figure  1 . 


Once  the  serial  ports  are  enabled,  the  monitor  program  waits 
for  a  serial  port  interrupt  signifying  that  a  serial  word  has  been 
received.  The  first  two  serial  words  received  are  the  instruction 
count.  As  the  serial  word  is  eight  bits,  two  serial  port  words 
make  up  the  instruction  count.  The  separate  bytes  of  the 
instruction  count  are  combined  in  the  shifter  and  loaded  into 
data  memory.  This  count  represents  the  number  of 
instructions  to  be  downloaded  from  the  host  and  does  not 
include  the  interrupt  table.  The  interrupts  are  handled 
automatically,  as  the  interrupt  table  has  a  fixed  length. 

With  the  count  downloaded,  the  ADSP-21 01  is  ready  to  accept 
instructions  through  the  serial  port.  Instructions  are 
downloaded  a  byte  at  a  time  just  as  the  instruction  count  was. 
The  most  significant  byte  is  first.  It  is  loaded  into  the  SI  register 
and  the  byte  count  ("count")  is  decremented.  The  middle  byte 
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of  the  instruction  is  loaded  into  the  SRO  register.  These  two 
bytes  are  combined  in  the  shifter  with  the  results  residing  in  the 
SRO  register.  Once  again  the  byte  count  is  decremented. 
Finally,  the  least  significant  byte  is  loaded  into  the  PX  register. 
Now  that  all  three  bytes  are  loaded  into  registers  on  the  ADSP- 
2101,  the  downloaded  instruction  can  be  written  to  program 
memory. 

When  all  is  downloaded,  a  jump  to  the  new  downloaded 
program  is  all  that  is  necessary  to  begin  execution. 

The  monitor  program  is  listed  at  the  end  of  this  note. 


SUMMARY 

A  monitor  program  initializes  the  serial  port  and  receives 
instructions,  writing  them  into  program  memory,  then 
beginning  execution.  This  method  of  booting  is  useful  when  the 
ADSP-2101  is  under  the  control  of  a  host  computer  or 
controller.  Any  size  program  may  be  downloaded  (up  to  the  full 
addressing  capability  of  the  ADSP-2101)  with  this  particular 
method  of  implementation.  Only  the  program  memory  used  by 
the  monitor  program  cannot  be  loaded.  That  space  could, 
however,  be  used  for  program  memory  data  storage. 


.  MODULE/RAM/BOOT=0 

.VAR/DM 

.VAR/DM 

. GLOBAL 


serial_boot_monitor; 

count; 

ins_count; 

code  start; 


{counts  bytes} 
{counts  instructions} 
{end  of  monitor  space} 


restarter: 
wait_loop: 


initializations : 


JUMP  restarter;  NOP ;  NOP ;  NOP; 

RTI;  NOP;  NOP;  NOP; 

RTI;  NOP;  NOP;  NOP; 

JUMP  serial;  NOP;  NOP;  NOP; 

RTI;  NOP;  NOP;  NOP; 

RTI;  NOP;  NOP;  NOP; 

RTI;  NOP;  NOP;  NOP; 

CALL  initializations; 
IDLE; 

JUMP  wait_loop; 

14  =  H#3f f 3; 

15  =  ~code_start; 
M4  =  0; 

M5  =  1; 
L4  =  0; 
L5  =  0; 
SRO  =  0; 
SRI  =  0; 


{restart  vector} 
{IRQ2  not  used} 
{sportO  TX  not  used} 
{ sport 0  RX  } 
(  sport  1  TX  not  used} 
{sportl  RX  not  used} 
{no  timer  used} 


{pointer  to  mem  map  reg} 
{pointer  to  start  of  prog} 


AX1  =  1; 

DM  (count)  =AX1; 
DM(I4,M5)  =  0; 
DM(I4,M5)  =  0; 
DM(I4,M5)  =  0; 
DM(I4,M5)  =  H#2007; 

AX0  =  H#1000; 
DM(H#3fff)  =AX0; 
AX0  =  H#FFFF 
DM(ins_count)  =AX0; 


{count  val  for  #  of  bytes} 
{disable  autobuffer} 
{no  frame  divide  modulus} 
{no  elk  divide  modulus} 
{extrnl  RFS  &  SCLK,  no  compand} 
{ SLEN  8,  no  multichannel} 

{enable  sportO} 


IMASK 
RTS; 


8; 


{sportO  rec  interrupt  only} 


serial : 


AY1  =  DM(ins_count,)  ; 
AR  =  PASS  AY1  ; 

IF  GT  JUMP  next_instruction; 
IF  LT  JUMP  load_word_count; 
IF  EQ  JUMP  code_start; 


{get  next  instruction} 

{get  number  of  instructions} 

{start  downloaded  program} 
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load  word  count: 


first_byte: 


AYO  =  DM (count) ; 

AR  =  PASS  AYO; 

IF  NE  JUMP  first_byte; 

IF  EQ  JUMP  second_byte; 

SI  =  RXO; 

AR  =  AYO  -  1; 

DM (count)  =  AR; 

RTI; 


{is  this  1st  or  2nd  byte) 


{  first  byte  decrem.  count) 


second_byte : 


SRO  =  RXO; 

SR  =  SR  OR  LSHIFT  SI  BY  8  (LO)  ; 
DM(ins_count)  =  SRO; 
AXO  =  3; 

DM  (count)  =AX0; 
RTI; 


(second byte.  .  .  ) 

(put  two  bytes  together) 

(store  in  ins_count) 

( load  count  for  ins  .  } 


( load  the  next  instruction .  Instructions  are  24  bits  long  and  appear) 
(at  the  serial  port  in  8  bit  fragments.    The  most  significant  byte  1st) 


next  instruction: 


AXO  =  2; 

AYO  =  DM (count) ; 
AR  =  AXO  -  AYO; 


(decide  which  byte  is  due) 


IF  LT  JUMP  most_sig_byte; 
IF  EQ  JUMP  middle_byte; 
IF  GT  JUMP  least_sig_byte 


most_sig_byte : 


SI  =  RXO; 

AR  =  AYO  -  1; 

DM (count)  =  AR; 

RTI; 


( load  MS  byte  into  SI ) 
( decrement  count } 


middle_byte : 


SRO  =  RXO; 

SR  =  SR  OR  LSHIFT  SI  BY  8   (LO)  ; 
AR  =  AYO  -  1; 
DM (count)  =  AR; 
RTI; 


(load  Middle  into  SR) 

(put  MS  and  middle  together) 

(decrement  count) 


least_sig_byte : 


PX  =  RXO; 
PM(I5,M5)  =  SRO; 

AXO  =  3; 

DM  (count)  =AX0; 

AR  =  AY1  -  1; 

DM ( ins_count )  =  AR; 

RTI; 


(put  LS  byte  into  PX) 
(write  SRO  into  PM) 
(PX  provides  8  LS  bits) 

(  reset  byte  count ) 
(decrement  ins  count) 


code  start: 


NOP; 


.  ENDMOD ; 
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Considerations  for  Selecting  a  DSP  Processor 
(ADSP-2101  vs.  WE  DSP16A) 

by  Bruce  Wolfeld 


INTRODUCTION 

Digital  signal  processing  systems  contain  high-performance 
numerical  processing  units  that  capable  of  performing  rapid 
computations.  The  numerical  performance  of  a  DSP  system  is 
measured  by  the  processing  unit's  capabilities  in  the  following 
areas: 

Fast  and  flexible  arithmetic  with  extended  dynamic  range 
Efficient  operand  access 
Circular  buffering  capabilities 
Overhead  required  for  program  loops 

As  with  any  microprocessor  design,  you,  the  system  designer, 
must  consider  other  factors  including: 

Interface  to  external  devices 

Quantity  and  speed  of  external  memory 

Instruction  set 

Development  tools  available  for  system  debug 

This  application  note  first  discusses  the  numerical  processing 
capabilities  of  the  Analog  Devices  ADSP-2101  and  the  AT&T 
DSP1 6A.  The  second  part  discuses  other  factors  that  you 
should  consider. 


ARITHMETIC  CAPABILITIES 

One  indication  of  good  arithmetic  architecture  is  the  ability  to 
perform  a  wide  range  of  arithmetic  computations.  These 
computations  should  be  flexibly  handled  so  that  the  algorithm 
implementation  preserves  the  order  of  the  arithmetic 
operations  and  operands.  If  the  arithmetic  architecture  is  too 
special  purpose,  this  is  impossible.  Rearranging  an  algorithm 
to  fit  the  architecture  requires  extra  programming,  increases 
the  possibility  of  error  and  may  increase  product  development 
time. 

Arithmetic  Architecture 

Figure  1  shows  a  block  diagram  of  the  arithmetic  section  of  the 
ADSP-21 01  while  Figure  2  shows  that  of  the  DSP1 6A.  Both  of 
these  devices  utilize  a  modified  Harvard  architecture  which 
can  fetch  data  operands  from  both  program  memory  and  data 
memory.  By  utilizing  on-chip  memory,  the  ADSP-2101  can 
fetch  an  instruction  from  program  memory  and  fetch/store  two 
data  operands  from  memory  in  a  single  cycle.  The  DSP16A 
requires  one  cycle  to  fetch  an  instruction  from  program  ROM. 
Two  cycles  are  required  if  the  instruction  and  immediate  data 
both  reside  in  the  program  ROM. 


Figure  1.  Block  Diagram  of  Arithmetic  Section  of  the  ADSP-2101 
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The  arithmetic  section  of  the  ADSP-2101  architecture  was 
designed  so  DSP  algorithms  are  easily  coded  and  rapidly 
executed.  Unlike  many  DSP  processors,  the  ADSP-2101  uses 
an  algebraic  notation  for  a  variety  of  multi-function  instructions. 
These  operations  exploit  the  inherent  parallelism  of  the  ADSP- 
2101  architecture  by  providing  combinations  of  register 
moves,  memory  transfers,  and  conditional  computation.  Each 
program  statement  assembles  into  a  single  24-bit  opcode  that 
can  execute  in  a  single  cycle.  There  are  no  multicycle 
instructions  in  the  ADSP-2101  instruction  set. 

The  ADSP-2101  has  three  independent  computational  units: 
an  arithmetic/logic  unit  (ALU),  a  multiplier/accumulator  (MAC), 
and  a  barrel  shifter.  They  are  connected  by  the  result  bus  (R 
bus)  so  that  the  output  of  any  computational  unit  can  be  used 
directly  as  the  input  for  itself  or  any  other  unit  on  the  next 
instruction  cycle.  In  addition,  the  ALU  and  MAC  are  directly 
connected  to  both  the  program  and  data  memory  busses. 
Operands  for  ALU  and  MAC  operations  can  come  from 
program  memory,  data  memory  or  any  of  the  result  registers. 
The  arithmetic  units  have  features  that  allow  for  32-bit  or  64- 
bit  computations. 

The  arithmetic  section  of  the  DSP1 6A  contains  a  multiplier  unit 
with  a  scaling  shifter  and  a  ALU/shifter  unit.  The  multiplier  has 
three  input  registers  and  one  output  register.  While  all  three 
input  registers  can  be  loaded  from  data  memory,  only  the  x 
register  can  be  loaded  from  program  memory.  The  ALU/shifter 
can  operate  on  data  in  the  y  registers,  the  multiplier  output 


"^^>  ROM  DATA  BUS  (16)  | 


register,  or  the  accumulator  registers.  The  y  registers  and  the 
accumulator  registers  are  accessible  only  through  data 
memory.  If  arithmetic  results  are  to  be  stored  in  external 
memory,  they  must  first  be  loaded  into  one  of  the  accumulator 
registers. 

ADSP-2101  ALU 

The  ADSP-21 01  ALU  has  two  X  and  two  Y  input  registers:  AXO, 
AX1 ,  and  AYO,  AY1 .  ALU  operations  are  performed  on  any  X- 
Y  register  combination.  These  registers  may  be  loaded  from 
program  memory,  data  memory,  the  counter  or  a  variety  of 
other  processor  registers.  ALU  results  can  be  stored  in  either 
the  ALU  result  (AR)  or  the  ALU  feedback  (AF)  register.  AR  and 
AF  are  available  as  the  X  and  Y  operands  (respectively)  in 
subsequent  ALU  operations.  In  addition,  the  result  registers  of 
the  MAC  and  barrel  shifter  can  be  used  as  the  X  input  to  the 
ALU. 

The  ALU  performs  mathematical  operations  on  16-bit  data 
operands.  An  internal  carry  bit  is  always  updated  during  a 
mathematical  operation.  Addition  with  carry  and  subtraction 
with  borrow  instructions  are  provided  for  implementing  32-bit 
arithmetic. 

Two  operands  can  be  fetched  or  stored  in  parallel  with  an  ALU 
operation.  By  fetching  operands  while  executing  ALU 
operations,  the  processor  can  perform  one  ALU  operation  per 
cycle  without  speed  penalties  due  to  operand  fetching.  All  ALU 
operations  can  execute  in  a  single  cycle. 
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Figure  2.  Block  Diagram  of  Arithmetic  Section  of  the  DSP16A 
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Other  features  of  the  ADSP-21 01  ALU  include  six  status  flags, 
division  primitives  and  a  complete  set  of  background  registers 
for  fast  context  switching. 


Other  features  in  the  MAC  include  an  overflow  status  bit,  a  1 6- 
bit  rounding  option,  and  a  complete  bank  of  background 
registers  for  fast  context  switching. 


DSP16A  ALU 

DSP1 6A  ALU  operations  require  that  one  operand  must  come 
from  an  accumulator  registers  while  the  other  must  come  from 
the  multiplier  output  or  from  the  data  bus  through  yh  or  yl 
registers.  Two-number  addition  is  a  two-step  process.  First, 
the  accumulator  must  be  loaded  with  the  first  data  value.  After 
the  accumulator  is  loaded,  a  second  number  can  then  be 
added.  Before  the  result  can  be  used  as  an  input  value  to  the 
multiplier,  it  first  must  be  stored  back  into  data  memory. 

The  ALU  operates  on  1 6-  or  32-bit  operands  compared  to  1 6- 
bit  operands  on  the  ADSP-21 01.  There  is  no  carry  bit  or 
provisions  for  operating  on  larger  operands.  ALU  result 
registers  are  36  bits  wide. 

The  number  of  cycles  required  to  execute  an  ALU  operation 
depends  on  the  number  of  data  transfer  operations  and  if  the 
instruction  word  is  present  in  the  cache.  Generally,  a  single 
ALU  operation  executes  in  one  cycle.  An  ALU  operation  with 
a  data  transfer  may  require  two  cycles. 

ADSP-21 01  MAC 

As  shown  in  Figure  1 ,  the  ADSP-21 01  multiplier/accumulator 
(MAC)  is  separate  from  the  ALU.  All  MAC  operations  occur  in 
a  single  cycle.  The  unit  performs  both  multiplications  and  MAC 
operations  independent  of  the  ALU.  This  is  a  key  difference 
from  the  architecture  of  the  DSP16A. 

Like  the  ALU,  the  MAC  has  two  X  and  two  Y  input  registers, 
MXO,  MX1  and  MYO,  MY1 .  Operations  are  performed  on  any 
X-Y  pair  of  input  registers.  These  registers  can  be  loaded  from 
program  memory,  data  memory  or  other  registers  in  the 
processor.  The  result  of  the  operation  appears  in  the  multiplier 
result  register  (MR)  or  the  multiplier  feedback  register  (MF).  As 
in  the  ALU,  the  feedback  and  result  registers  can  also  serve  as 
the  X  and  Y  inputs  to  subsequent  MAC  operations.  The  barrel 
shifter  result  registers  and  the  ALU  result  register  can  also  be 
used  directly  as  X  inputs  to  the  MAC. 

The  ADSP-21 01  multiplier  performs  mathematical  operations 
on  16-bit  data.  The  data  formats  can  be  any  combination  of 
signed  or  unsigned  values.  This  feature  simplifies  the 
implementation  of  32-bit  multiplication. 

The  multiplier  result  register  (MR)  is  a  40-bit  accumulate 
register.  MR  is  divided  into  two  1 6-bit  registers  (MR0  and  MR1 ) 
and  one  8-bit  extension  register  (MR2).  DSP  applications 
frequently  deal  with  accumulator  operations  that  require  a 
large  dynamic  range.  The  extension  register  allows  for  256 
MAC  overflows  before  a  loss  of  data  can  occur. 

All  MAC  operations  can  execute  in  a  single  cycle.  Since  two 
new  operands  can  be  loaded  into  the  input  registers  in  parallel 
with  the  computation,  a  new  MAC  operation  can  be  executed 
every  cycle. 


DSP16A  MAC 

As  shown  in  Figure  2,  the  DSP1 6A  MAC  consists  of  a  1 6x1 6 
multiplier  and  the  ALU  described  above.  One  multiply  operand 
must  come  from  the  16-bit  x  register.  The  second  operand  is 
chosen  from  one  of  the  two  16-bit  y  registers.  Because  a 
multiply/accumulate  operation  requires  both  the  ALU  and  the 
multiplier,  two  cycles  are  required  to  perform  a  single  MAC 
operation. 

There  are  only  three  registers  available  for  MAC  operands. 
The  x  register  can  be  loaded  from  program  or  data  memory. 
The  y  registers  must  be  loaded  from  data  memory.  Two  cycles 
are  required  to  load  the  x  register  if  the  load  instruction  is  not 
available  in  the  cache.  The  32-bit  multiplier  result  is  stored  in 
the  p  register.  To  complete  the  MAC  operation,  the  p  value  is 
added  to  an  accumulator.  A  minimum  of  two  cycles  are 
required  before  a  multiplier  result  can  be  used  in  another 
multiplication. 

The  DSP16A  accumulate  registers  are  36  bits  wide.  A  MAC 
operation  can  overflow  16  times  before  data  is  lost. 

At  least  two  clock  cycles  are  required  to  execute  a  single  MAC 
operation.  Multiple  MAC  operations  can  be  pipelined  to  reduce 
execution  time.  In  addition,  two  new  operands  can  be  loaded 
in  parallel  with  the  MAC  operation. 

ADSP-21 01  Barrel  Shifter 

The  barrel  shifter  in  the  ADSP-21 01  has  an  SI  input  register 
and  can  also  accept  inputs  from  any  result  register  in  the 
processor  (e.g.  MR1 ,  AR)  including  its  own  result  register,  SR. 
Like  the  MAC  result  registers,  the  32-bit  SR  is  divided  into  two 
16-bit  registers,  SR0  and  SR1.  The  shifter  also  has  an 
exponent  register,  SE,  which  is  set  automatically  by  the 
exponent  adjust  instruction  and  is  used  for  normalization. 

The  shifter  can  place  a  1 6-bit  input  value  anywhere  in  a  32-bit 
field.  The  input  can  be  shifted  any  number  of  bits  from  off-scale 
left  to  off-scale  right.  The  shift  can  be  sign-extended  or  zero- 
filled.  Other  functions  such  as  exponent  detection, 
normalization,  denormalization,  block  floating-point  exponent 
maintenance,  and  pattern  merging  can  also  be  performed  with 
the  shifter.  All  shifter  operations  are  performed  in  a  single  cycle 
regardless  of  the  number  of  bits  shifted. 

DSP16A  Shifters 

The  DSP16A  contains  two  shifters.  One  shifter  can  shift  the 
output  of  the  multiplier  two  bits,  left  or  right.  This  shifter  is  used 
for  scaling  multiplier  results.  The  second  shifter  is  contained  in 
the  ALU.  Since  the  second  shifter  requires  the  same  circuitry 
as  the  ALU,  it  has  the  same  limitations  as  the  ALU.  The 
DSP1 6A  can  only  shift  operands  located  in  the  accumulators. 

The  ALU/shifter  can  perform  a  sign  extended  right-shift  or  a 
zero-fill  left  shift.  The  DSP16A  has  no  provisions  for  block 
floating  point,  or  pattern  merging.  Data  can  be  shifted  in  a 
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single  cycle  only  by  1 , 4, 8  or  1 6  bits.  A  6-bit  shift  requires  three 
instruction  cycles. 


Arithmetic  Summary 

Table  1  summarizes  the  comparison  of  the  arithmetic 
capabilities  of  the  ADSP-2101  and  the  DSP16A. 


coefficients  be  available  at  the  same  time.  Likewise,  circular 
buffers  are  a  natural  method  for  accessing  tables  and 
coefficients.  The  Harvard  architecture  allows  coefficients  and 
data  to  be  available  in  both  program  or  data  memory. 
Simultaneous  fetches  of  two  operands  is  necessary  to  make 
efficient  use  of  this  architecture. 


DSP16A 

No' 

1,4,8, 
or  16 
bits 

4  bits 

No 

1 .  May  require  2  cycles  if  data  transfer  is  required. 

2.  Multiple  MAC  operations  can  be  pipelined  to  reduce  execution 
time. 

Table  1.  Arithmetic  Capabilities 
DATA  ADDRESSING 

A  digital  signal  processor's  ability  to  perform  fast  arithmetic  is 
wasted  if  the  required  data  cannot  be  fetched  at  a  similar 
speed.  DSP  algorithms  require  that  data  operands  and 


DSP  Requirement  ADSP-2101 

Single  cycle  ALU  operations  V 
Single  cycle  multiplication  V 
Single  cycle  MAC  operations  V 
Single  cycle  shifting  0-32  bits 


Accumulator  overflow  protection         8  bits 

Signed,  unsigned  or  mixed-mode  V 
multiplications 


Figure  3  shows  the  data  address  generators  of  the  ADSP-21 01 
while  Figure  4  shows  the  data  address  generators  of  the 
DSP16A. 

ADSP-2101  Addressing 

There  are  two  independent  data  address  generators  (DAGs) 
in  the  ADSP-2101.  One  typically  supplies  addresses  for 
program  memory  data  fetches  while  the  other  supplies 
addresses  for  data  memory.  The  ability  to  simultaneously  fetch 
two  operands  makes  the  ADSP-21 01 's  Harvard  architecture 
very  efficient.  The  address  generators  are  completely 
separate  from  the  program  sequencer. 

Each  DAG  has  four  I  registers  which  store  pointers 
(addresses),  four  M  registers  for  address  modifiers,  and  four  L 
registers  which  store  circular  buffer  lengths  for  modulo 


V 


DAG1  can  bit  reverse  addresses  as  they  are  output  to  the 
address  bus.  This  zero-overhead  bit-reversing  is  useful  for 
implementing  FFTs.  The  1 4-bit  I,  M  and  L  registers  can  also  be 
used  for  general  purpose  data  storage. 

ADSP-2101  Indirect  Addressing 

With  indirect  addressing,  the  address  in  an  I  register  drives 
either  the  data  or  program  memory  address  bus.  As  shown  in 
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Figure  3.  Block  Diagram  of  ADSP-2101  Data  Address  Generators  (DAGs) 
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Figure  4.  Block  Diagrams  of  DSP16A  Address  Generators 
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Figure  3,  while  memory  is  being  accessed,  The  DAG  updates 
the  address  simultaneously  by  adding  to  it  the  contents  of  any 
modify  (M)  register  in  the  DAG.  The  specific  pairing  of  the  14- 
bit  I  and  M  registers  is  up  to  the  programmer.  For  example,  10 
and  M3  could  be  specified  in  the  instruction  as: 

AX0=DM(I0,M3)     (LoadAXO  from  Data, Memory } 

The  ability  to  mix  I  registers  and  M  registers  is  especially  useful 
for  two-dimensional  addressing  or  for  supporting  pointer 
increment  and  decrement  operations  without  constantly 
loading  different  modify  values.  This  instruction  syntax  shows 
explicitly  what  registers  are  used  to  generate  the  j 
where  the  data  is  going;  nothing  is  inferred. 

The  ADSP-21 01  multifunction  capability  allows  up  to  two  data 
accesses  and  one  arithmetic  operation  in  a  single  instruction. 


This  example  instruction  fetches  two  operands  and  performs 
an  ALU  operation: 

AR=AX0+AY0(SS),  AX0=DM ( 12 , M3 ) ,  AY0=PM (M4 , M5 )  ; 

Loading  the  length  of  a  circular  buffer  into  the  L  register 
activates  the  modulus  logic,  guaranteeing  that  the  address  is 
kept  inside  the  buffer  in  a  modulo  fashion.  This  structure  is 
maintained  automatically  by  the  address  generator  hardware 
and  does  not  have  to  be  calculated  explicitly  by  the 
programmer.  Once  initialized,  circular  buffers  are  used 
transparently  and  require  no  overhead  instructions. 

ADSP-2101  Direct  Addressing 

Due  to  the  24-bit  width  of  the  ADSP-21 01  instruction,  a  full  1 4- 
bit  address  can  be  specified  within  a  single-word  instruction. 
This  feature  allows  single  cycle  access  to  data  located  in  data 
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memory.  There  is  no  paging  or  memory  segmentation  on  the 
ADSP-2101.  The  programmer  can  specify  an  immediate 
address  or  a  predefined  variable.  Below  are  some  examples  of 
direct  addressing  read  instructions. 


MXO=DM(beta) ; 

AYl=DM(0x0FE3); 


DSP16A  Addressing 

Like  the  ADSP-2101,  the  DSP16A  contains  two  address 
generators  -  the  ROM  address  arithmetic  unit  (XAAU)  and  the 
RAM  address  arithmetic  unit  (YAAU).  Like  the  ADSP-2101, 
the  ability  to  fetch  two  operands  allows  efficient  use  of  the 
DSP16A's  Harvard  architecture.  Only  the  YAAU  can 
implement  circular  buffers. 

The  XAAU  generates  addresses  for  program  memory  ROM.  It 
acts  as  an  instruction  sequencer  for  the  CPU  and  as  a  data 
address  generator.  It  has  four  1 6-bit  static  pointer  registers  that 
are  used  for  the  program  counter  (pc),  the  subroutine  return 
address  (pr),  interrupt  return  address  (pi)  and  table  lookup  (pt). 
The  pt  register  is  used  for  fetching  data  words  from  program 
ROM.  This  register  is  automatically  post  modified  by  +1  or  by 
the  value  stored  in  the  1 2-bit  i  register.  There  is  no  provision  for 
circular  buffers  in  the  XAAU. 

The  YAAU  is  dedicated  to  addressing  data  RAM.  It  contains 
four  pointer  registers,  two  address  modify  registers  and 
provisions  for  one  modulo  or  circular  buffer.  While  the  data 
address  bus  is  16  bits  wide,  the  registers  in  the  YAAU  are  only 
9  bits  wide.  The  DSP1 6A  can  indirectly  access  64K  of  data 
memory,  but  only  2K  bytes  are  available  at  any  time. 

There  is  no  bit-reverse  capability  on  the  DSP16A. 


DSP16A  Direct  Addressing 

The  DSP16A  can  directly  load  a  data  value  from  memory. 
Below  is  an  example  of  an  instruction  using  direct  addressing 
to  read  from  data  memory  (user-defined  variable,  ibuf)  to 
register  zero: 

rO=ibuf 

Other  DSP16A  Addressing  Modes 

Most  of  the  DSP16A  internal  registers  can  be  immediately 
loaded  from  program  memory.  In  most  cases,  it  takes  two 
instruction  cycles  and  two  ROM  locations  to  implement  an 
immediate  load.  Registers  in  the  YAAU  can  be  loaded  in  one 
instruction. 

The  DSP16A  has  a  compound  addressing  mode.  The 
programmer  can  specify  a  swap  between  an  internal  register 
and  a  data  RAM  location  addressed  by  a  YAAU  register.  The 
YAAU  register  can  be  post-modified  during  this  operation. 
Compound  addressing  requires  two  instruction  cycles  to 
execute. 

Address  Generation  Summary 

Sustained  intensive  arithmetic  operations  demand  maximum 
performance  from  the  data  addressing  section  of  a  processor 
architecture.  Table  2  summarizes  the  differences  between  the 
ADSP-2101  and  the  DSP16A. 


DSP  Requirement 

Single  cycle  fetch  of 
two  operands 


ADSP-2101 


Generate  new  program  memory  V 
and  data  memory  addresses  each  cycle 


DSP16A 

V 


DSP16A  Indirect  Addressing 

The  DSP16A  uses  indirect  addressing  in  both  the  XAAU  and 
the  YAAU  .The  XAAU  contains  four  1 6-bit  registers  that  can  be 
post-modified  after  data  is  fetched  from  a  ROM  location.  The 
XAAU  lacks  circular  buffering  capabilities.  If  filter  coefficients 
are  stored  in  program  ROM,  the  program  must  reset  the  pt 
register  after  every  filter  iteration. 

The  YAAU  contains  four  9-bit  pointer  registers  used  to 
indirectly  address  data  RAM.  The  pointers  can  be  post- 
modified  by  -1 , 0,  +1 ,  +2  or  by  a  value  stored  in  one  of  two  post- 
modify  registers. 

The  DSP16A  has  provisions  for  one  circular  buffer,  limited  to 
2K  words.  Only  +1  is  allowed  as  a  post-modify  value.  The  ra 
and  rb  registers  contain  the  last  and  first  address  of  the  circular 
buffer.  If  an  address  register  is  post-modified  to  a  value  equal 
to  that  in  the  ra  register,  then  the  value  in  rb  is  written  back  into 
the  address  register. 


Bit  reverse  data  memory 
addresses  for  FFT 

Transparent,  no  overhead 
circular  buffers 

Maximum  circular  buffer  size 


No 


1-8 


16K 
words 


2K 

words 


1 .  The  YAAU  can  directly  access  only  2K-bytes  of  data  memory. 
Table  2.  Data  Addressing  Capabilities 
PROGRAM  SEQUENCING 

Efficient  architectures  for  signal  processing  require  fast 
arithmetic  and  matching  speed  in  data  addressing  and 
fetching  capabilities.  To  fully  deliver  the  performance  required 
for  real-world  signal  processing,  a  DSP  machine  must  execute 
its  program  with  little  or  no  overhead  spent  on  maintaining  the 
proper  program  flow. 
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Efficiency  in  program  sequencing  has  many  different  aspects. 
The  comparison  in  this  application  note  focuses  on  three 
areas: 

Execution  of  Loops 

Execution  of  branches  and  conditional  instructions 
Processing  of  interrupts  and  subroutine  calls 

Loops  are  fundamental  to  the  implementation  of  DSP 
algorithms.  Many  operations,  such  as  the  sum-of-products, 
are  repetitive.  If  a  program  is  efficiently  expressed  in  looped 
form  then  coding  is  quite  straightforward.  In  addition, 
modifying  the  program  (for  example,  increasing  the  number  of 
filter  taps)  is  easy. 
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Branching  on  conditions  is  a  natural  way  to  code  any  program 
which  must  respond  to  its  environment.  Efficient  response  to 
interrupt  requests  is  also  important. 

Figure  5  shows  the  architecture  of  the  ADSP-2101  program 
sequencer.  The  program  control  section  of  the  DSP16A  is 
shown  in  Figure  6. 

ADSP-2101  Program  Sequencer 

The  program  sequencer  on  the  ADSP-21 01  contains  logic  that 
selects  a  program  memory  address  source  and  routes  the 
address  to  the  program  memory  address  bus  (PMA).  This 
address  selection  occurs  automatically  in  response  to  the 
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Figure  5.  Block  Diagram  of  ADSP-2101  Program  Sequencer 
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Figure  6.  Block  Diagram  of  DSP16A  Program  Sequencer 


- 


current  instruction.  The  address  placed  on  the  address  bus 

can  come  from 

The  program  counter  (for  sequential  addressing), 

A  14-bit  address  in  the  instruction  word  itself,  for  direct 

jumps  and  subroutine  calls, 

The  PC  stack,  for  returns  from  subroutines  and  interrupts. 
The  interrupt  logic,  to  automatically  vector  to  the  interrupt 
routine  in  response  to  assertion  of  any  external  interrupt. 

All  instructions  can  execute  in  a  single  cycle;  this  applies 
equally  to  jumps,  calls,  and  interrupts.  No  pipelined 
instructions  are  required.  Since  the  ADSP-2101  can  fetch  an 
instruction  and  access  both  on-chip  program  and  on-chip  data 
memory  in  one  cycle,  no  cache  is  required. 

When  an  interrupt  occurs,  the  complete  status  of  the  processor 
(stack  status,  mode  status,  arithmetic  status  and  interrupt 
mask)  is  automatically  pushed  onto  the  status  stack  as  part  of 
the  interrupt  vector  process. 

ADSP-2101  Looping  Capabilities 

The  ADSP-2101  program  sequencer  can  support  zero- 
overhead  loops.  Using  the  loop  stack  and  loop  comparator,  the 
processor  can  decide  if  the  loop  should  terminate  and 
determine  the  address  of  the  next  instruction  (either  the  top  of 
the  loop  or  the  instruction  following  the  loop).  These  actions 
are  performed  in  parallel  with  instruction  execution,  are 
transparent  to  the  user  and  require  no  overhead  cycles. 
Program  loops  can  be  nested  up  to  four  deep. 

A  DO  UNTIL  loop  may  be  as  large  as  program  memory  size 
permits.  A  loop  may  terminate  when  the  1 4-bit  counter  expires 
or  when  a  specified  arithmetic  condition  occurs.  The  example 


below  shows  a  three  instruction  loop  that  is  repeated  100 
times: 

CNTR  =  100; 

DO  foo  UNTIL  CE; 

first  loop  instruction 
second  loop  instruction 

foo:       third  loop  instruction 

first  instruction  outside  of  loop 

The  first  instruction  loads  the  counter  with  1 00,  The  DO  UNTIL 
instruction  contains  the  termination  condition  (counter 
expired)  and  the  address  foo,  the  last  instruction  in  the  loop. 
The  execution  of  the  DO  UNTIL  instruction  causes  the  address 
of  the  first  instruction  of  the  loop  to  be  pushed  on  the  PC  stack 
and  the  address  of  the  last  instruction  of  the  loop  to  be  pushed 


onto  the  loop  stack. 


As  instruction  addresses  are  output  to  the  program  memory 
address  bus,  the  loop  comparator  determines  if  the  instruction 
is  the  last  instruction  in  the  loop.  If  it  is,  the  program  sequencer 
checks  the  status  and  condition  logic  to  see  if  the  termination 
condition  is  satisfied.  The  program  sequencer  then  takes 
either  the  address  from  the  PC  stack  (to  go  back  to  the  top  of 
the  loop)  or  simply  increments  the  PC  (to  go  to  the  first 
instruction  outside  the  loop). 

The  looping  mechanism  of  the  ADSP-2101  is  automatic  and 
transparent  to  the  user.  Once  the  DO  UNTIL  instruction  is 
specified,  program  flow,  all  stack  updates,  and  counter 
updates  are  handled  by  the  sequencer  logic.  No  program 
overhead  or  extra  cycles  are  required.  After  the  last  loop 
instruction  is  executed,  the  next  instruction  will  be  the  first  loop 
instruction  or  the  first  instruction  following  the  loop. 
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The  ADSP-2101  has  up  to  six  interrupts.  Three  of  these 
interrupts  are  external  to  the  processor.  The  interrupts  are 
prioritized,  maskable  and  can  be  edge  or  level  sensitive.  When 
an  interrupt  is  asserted,  the  ADSP-2101  aborts  execution  of 
the  current  instruction  and  vectors  to  the  appropriate  interrupt 
service  routine.  Because  the  interrupts  are  prioritized, 
concurrent  interrupts  can  be  handled  without  external 
hardware. 

The  PC  stack  is  1 6  words  deep.  Up  to  seven  nested  interrupts 
are  allowed.  The  size  of  the  loop  stack  and  the  count  stack 
allow  four-deep  nested  loops. 

Conditional  execution  of  instructions  is  available  on  the  ADSP- 
2101.  All  ALU,  MAC  and  shifter  instructions  can  be  executed 
conditionally.  The  only  exceptions  are  ALU  division  and 
immediate  shifts.  All  program  jumps,  subroutine  calls  and 
returns  can  also  be  conditionally  executed.  All  of  these 
instructions  execute  in  a  single  cycle. 

DSP16A  Program  Sequencer 

Program  sequencing  in  the  DSP16A  is  controlled  by  the 
XAAU,  a  16  word  cache  and  other  control  logic.  The  XAAU 
contains  the  program  counter,  an  interrupt  return  register  and 
a  subroutine  return  register.  The  program  counter  can  address 
up  to  64K  of  program  memory  ROM. 

The  DSP1 6A  can  implement  one  level  of  program  looping  with 
the  internal  cache.  The  loop  is  limited  to  1 5  bytes  of  instruction 
and  cannot  execute  more  than  1 27  times.  An  advantage  of  the 
internal  cache  is  that  instructions  that  require  a  ROM  memory 
read  execute  more  efficiently.  However,  interrupt  requests  are 
not  recognized  if  the  DSP1 6A  is  executing  instructions  from 
the  cache. 

The  example  below  shows  a  two  instruction  loop  that  executes 
1 00  times: 

do  100  ( 

first  loop  instruction 
second  loop  instruction 

I 

There  are  two  classes  of  instructions  that  can  be  executed 
conditionally:  special-function  instructions  and  branch 
instructions.  Special-function  instructions  consist  of  data 
shifts,  accumulator  increments  and  some  data  transfer 
operations.  These  instructions  can  be  conditionally  executed 
based  on  the  status  of  the  multiplier/ALU  status  flags  or  a 
pseudo-random  sequence  bit.  Special-function  instructions 
execute  in  one  cycle. 

Branch  instructions  include  goto,  subroutine  calls  and  return 
instructions.  These  instructions  require  two  cycles  to  execute. 
If  the  instruction  is  conditional,  three  cycles  are  required.  Since 
there  is  only  one  subroutine  return  register,  extra  instructions 
are  required  to  implement  nested  subroutine  calls. 

There  are  four  internal  and  one  external  interrupts  on  the 
DSP16A.  The  internal  interrupts  are  asserted  by  the  parallel 


and  serial  interface  ports.  In  addition,  there  is  one  software 
interrupt  available.  All  interrupts  are  maskable.  When  an 
interrupt  is  recognized,  the  DSP16A  completes  the  current 
instruction  and  vectors  to  the  interrupt  service  routine.  Note 
that  the  processor  supports  only  one  service  routine.  The 
service  routine  must  determine  which  interrupt  was 
processed.  The  DSP1 6A  does  not  recognize  interrupts  when 
executing  branch  instructions  or  instructions  in  the  cache. 
Interrupts  are  not  prioritized.  Providing  for  concurrent 
interrupts  requires  extra  hardware  and/or  programming. 

Program  Sequencer  Summary 

Efficient  looping  capabilities  are  very  import  for  DSP 
algorithms  due  to  their  repetitive  nature.  Table  3  summarizes 
the  program  sequencing  capabilities 
of  the  ADSP-2101  and  the  DSP16A. 

DSP  Requirement  ADSP-2101  DSP16A 


Zero-overhead  looping 

Conditional  arithmetic 
instructions 


Single-cycle  branching  V  No 


Zero-overhead  nested 
interrupts 


Up  to  7  No 


1 .  Four  levels  of  nested  loops. 

2.  One  level  of  looping:  up  to  1 5  instructions  long:  can  execute  only 
1 27  times. 

3.  Shifts  and  accumulator  increments  only. 
Table  3.  Program  Sequencing  Capabilities 
PROGRAMMING  EXAMPLE 

A  good  illustration  of  the  differences  between  the  ADSP-21 01 
and  the  DSP16A  is  the  implementation  of  the  stochastic 
gradient  algorithm  for  updating  taps  in  an  adaptive  filter. 

c  i=b*e*Y 

A  pseudo-code  description  of  this  algorithm  is  shown  for  a  256 
tap  filter. 

M0B=beta*e; 
Loop  n=0  to  2  5  5; 

C^;=Cn  MOD*Yn;  ■  I 

EndLoop; 

When  implementing  this  algorithm  you  should  consider  the 
following: 

How  many  cycles  are  required  for  loop  overhead? 

How  many  cycles  are  required  for  loading  and  storing 
operands? 

How  many  extra  cycles  are  required  to  move  intermediate 
results? 
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the  MUD  term  in  the  multiplier  feedback  register.  In  the  loop, 
data  is  fetched  in  parallel  with  instruction  execution.  No  cycles 
are  wasted  fetching  or  storing  data. 

Listing  2  shows  a  DSP1 6Acode  segment  for  updating  the  taps 
in  a  256-tap  adaptive  filter.  Although  data  operands  can  be 
fetched  from  program  memory  ROM,  is  not  possible  to  write 
updated  values  back  to  program  ROM.  Therefore,  both 
coefficients  and  data  must  be  stored  in  data  memory.  Since  the 
multiplier  output  register  is  not  available  as  an  input  for  another 
multiplication,  two  extra  instruction  cycles  are  required  to  move 
the  MOD  term  back  into  the  x  register.  The  program  loop 
contains  two  instructions.  Three  clock  cycles  are  required  to 
execute  this  loop. 

Interrupt  requests  are  ignored  when  the  DSP1 6A  is  executing 
from  a  cache  loop.  The  code  segment  shown  below 
periodically  stops  the  loop  so  pending  interrupt  requests  can 
be  serviced. 

The  total  number  of  clock  cycles  for  each  algorithm  are: 

N  Taps      256  Taps  Time 
DSP1 6A       8N  +  25      2073  69  us  (33  ns  cycle) 

ADSP-2101    3N  +  15     783  63  us  (80  ns  cycle) 

CONNECTING  THE  PROCESSOR  TO  OTHER  DEVICES 

Although  digital  signal  processors  that  have  efficient 
architectures,  fast  arithmetic  capabilities  and  efficient  data 
addressing  are  well  suited  for  high  performance  systems,  a 
DSP  system  designer  must  also  consider  how  the 
microprocessor  communicates  with  other  components  in  the 
system.  These  devices  can  include  other  DSP  processor,  a 
host  processor,  or  peripherals  such  as  CODECs,  A/D 
converters  and  D/A  converters.  The  configuration  of  off-chip 
memory  and  the  size  of  on-chip  memory  can  significantly  affect 
the  cost  of  a  DSP  system. 

Connecting  the  ADSP-2101  to  Other  Devices 

The  ADSP-2101  has  two  bidirectional  double-buffered  serial 
ports.  These  ports  can  be  used  to  communicate  with  serial 
devices  such  as  CODECs,  serial  A/D  converters  and  serial 
ports  on  other  ADSP-2101S.  The  ADSP-2101  can 
communicate  with  parallel  devices  by  memory-mapping  them 
into  external  data  memory  space. 

The  serial  ports  (SPORTs)  are  synchronous  and  use  framing 
signals  to  control  data  flow.  Each  SPORT  can  generate  its  own 
serial  clock  internally  or  use  an  external  clock.  The  framing 
sync  signals  may  be  generated  internally  or  by  an  external 
device.  Word  lengths  may  vary  from  three  to  sixteen  bits.  The 
serial  ports  can  have  a  zero  chip  interface  to  other  serial 
devices  and  can  perform  single  cycle  n-law  and  A-law 
companding  in  hardware. 


SPORT1  may  be  optionally  configured  as  two  external 
interrupts,  IRQO  and  IRQ1,  and  the  Flag  In  and  Flag  Out  signals 
instead  of  as  a  serial  port. 

The  SPORTs  also  have  an  autobuffering  capability.  This 
feature  allows  a  block  of  data  to  be  loaded  into  memory  while 
the  ADSP-2101  is  executing  program  code.  When  all  data  is 
loaded,  the  SPORT  interrupts  the  processor. 

The  ADSP-2101  can  interface  to  parallel  devices  such  as 
parallel  DACs  and  UARTs  through  external  data  memory. 
Software-controlled  wait  states  in  the  ADSP-2101  allow  for  a 
simple  interface  to  these  devices.  The  only  additional  circuitry 
that  may  be  required  is  address  decode  logic. 

Connecting  the  DSP16A  to  Other  Devices 

The  DSP16A  has  two  ports  for  communicating  with  the  other 
devices.  The  SIO  is  a  serial  communications  port.  The  PIO  is 
designed  for  parallel  communications.  Either  the  SIO  or  the 
PIO  is  required  to  load  internal  RAM  from  off-chip  devices, 
such  as  external  memory  or  a  host  processor. 

The  SIO  is  a  synchronous  port.  The  framing  signals  are  ILD 
and  OLD  and  must  be  synchronized  to  the  input  and  output 
clocks  respectively  (ICKandOCK).  Framing  and  clock  signals 
can  be  generated  internally  or  externally.  The  internal  clock  is 
programmable  to  one  of  four  different  clock  speeds.  Word 
lengths  are  limited  to  8  or  16  bits.  A  time  division  multiplex 
(TDM)  communications  scheme  can  be  used  to  communicate 
with  up  to  seven  other  DSP16As. 

The  PIO  interfaces  to  AT&T  CODECs  without  any  additional 
circuitry.  A  bit-reversing  capability  on  the  PIO  allows  for  an 
easier  software  implementation  of  companding  operations. 

The  DSP1 6A  PIO  is  a  parallel  port  that  can  be  programmed  to 
transmit  or  receive  16-bit  data  words  or  simultaneously 
transmit  and  receive  8-bit  data  words.  The  PIO  can  operate  in 
either  the  active  or  the  passive  modes.  In  the  passive  mode,  an 
external  device  provides  the  I/O  strobe  signals.  In  active  mode, 
the  strobe  signals  are  provided  by  the  DSP16A.  The  width  of 
the  strobe  signals  is  programmable  allowing  connections  to 
slow  peripherals. 

Memory  Configuration  on  the  ADSP-2101 

The  ADSP-2101  contains  2K  words  of  on-chip  program 
memory  and  1K  words  of  on-chip  data  memory.  In  a  single 
cycle,  the  ADSP-21 01  can  access  on-chip  program  RAM  twice 
and  on-chip  data  RAM  once.  All  instructions  execute  in  a  single 
cycle  when  the  processor  is  executing  from  on-chip  memory. 

The  ADSP-2101  can  address  16K  words  of  program  memory 
and  up  to  16K  words  of  data  memory.  An  additional  16K  words 
of  data  memory  are  available  with  the  PMDA  pin.  The 
processor  can  be  configured  with  all  memory  off-chip  or  with  a 
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elirtw  .••1fe*q«  ylfcv  tot  bt-isimitqc  <*<i-         DAGiTnitiali^ttigri  ■>  :;  ) 

d  1 
(12— >01dest  input  data  value  in  delay  line) 
(L2=Filter  Length) 

{ I6->Beginning  of  filter  coefficient  table} 

{L6=Filter  Length) 

(M1,M5=1) 

(M6=2) 

(M3,M7=-1 ) 

,  .ENTRY  af  fir; 
strt:  CNTR=<  Filter  Length  > 
MX0=<  error  > 
MYl=beta; 

MF=MX0*MY1 (RND) ,  MXO-DM  ( 12,  Ml )  ;  {MF=error*beta ) 

MR=MX0*MF  (RND)  ,  AY0=PM(I6,M5)  ; 

DO  adapt  UNTIL  CE; 

AR=MR1+AY0,  MX0=DM(I2,M1) ,  AY0=PM ( 1 6, M7 ) ; 
adapt:   PM (16, M6) =AR,  MR=MX0*MF (RND) ; 


MODIFY(I2,M3) ;  (Point  to  oldest  data) 

MODIFY(I6,M7) ;  (Point  to  start  of  table) 


Listing  1.  ADSP-2101  Code  Segment  for  Stochastic  Gradient  Algorithm 

j=0 

k-1 

rO=beta  /*Load  beta  and  e*/ 


rl=e 


aO=p 


x=*rO 
y=*rl 

p=x*y  /*Calculate  MOD*/ 


x=aO  /*Store  MOD  in  x*/ 

rO=<address  of  coefficients  C  >  /*Init  pointers*/ 

rl=<address  of  data  A  > 

a  r 
y=*rl++ 

p=x*y 

DO  2  (  /*Program  loop  */ 

aO=aO+p  y=*rl++ 
p=x*y  *rOjk:aO 

) 

REDO  127  /*Service  Interrupts*/ 


/♦Service  Interrupts*/ 


Listing  2.  DSP16A  Code  Segment  for  LMS  Stochastic  Gradient  Algorithm 
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portion  of  memory  on-chip.  For  off-chip  memory,  the  program 
and  data  memory  lines  are  multiplexed  into  a  single  off-chip 
address  bus  and  a  single  off-chip  data  bus.  Extra  cycles  may 
be  required  to  execute  instructions  when  more  than  one  piece 
of  data  is  located  off-chip. 

The  boot  capability  of  the  ADSP-21 01  allows  loading  internal 
program  memory  directly  from  an  inexpensive  boot  EPROM. 
On  reset,  up  to  2K  words  of  instructions  can  automatically  be 
loaded  into  on-chip  program  memory.  Up  to  seven  more  2K 
instruction  blocks  can  be  paged  into  the  processor  on  demand. 
If  desired,  the  boot  code  can  contain  a  short  program  for 
downloading  data  and  program  code  through  the  serial  ports. 

Software  programmable  wait  states  on  the  ADSP-21 01  makes 
it  compatible  with  slow  external  RAM  or  ROM.  Using  slower 
memories  reduces  overall  system  cost  at  the  expense  of 
reduced  execution  speeds.  Regardless  of  the  speed  of 
external  memory,  the  ADSP-21 01  always  executes  at  full 
speed  when  accessing  on-chip  program  and  data  memories. 

Memory  Configuration  on  the  DSP16A 

The  DSP16A  contains  2K  words  of  on-chip  data  memory  and 
4K  words  of  on-chip  program  memory  ROM.  In  one  cycle,  the 
DSP1 6A  can  access  data  RAM  and  instructions  in  the  program 
memory  ROM.  A  second  cycle  is  required  to  fetch  data  from 
program  ROM. 

The  DSP1 6A  can  address  up  to  64K  of  program  ROM.  Like  the 
ADSP-21 01 ,  the  part  can  be  configured  to  use  off-chip  memory 
only  or  a  combination  of  on-chip  and  off-chip  program  memory. 
Since  there  is  no  off-chip  data  bus,  data  memory  cannot  be 
expanded  off-chip.  The  data  memory  address  space  can  be 
expanded  through  the  PIO  port.  However,  this  requires 
external  circuitry  and  additional  software. 

Because  the  DSP16A  is  designed  to  execute  ROM  code,  there 
are  no  read/write  strobes  associated  with  the  program  memory 
address  and  data  lines.  This  makes  it  difficult  to  use  RAM  for 
program  memory.  Extra  hardware  is  required  to  download 
code  from  a  host  processor. 


The  DSP  processors  available  today  vary  drastically  in  their 
ability  to  meet  the  requirements  described  above.  Some 
processors  are  optimized  for  very  specific  applications  while 
others  are  flexible  and  allow  for  future  growth.  Analyzing  the 
requirements  of  your  DSP  system  and  matching  them  to  the 
capabilities  of  a  DSP  architecture  assures  efficient  operation. 

Due  to  space  limits,  this  application  note  does  not  cover  many 
topics  in  detail.  Consult  the  ADSP-21 01  User's  Manualand  the 
ADSP-2101  Cross-Software  Manual  for  a  greater  depth  of 
information  on  this  processor. 


DSP  Requirement 

Fast  arithmetic 

Extended  dynamic  range  on 
multiplication/accumulation 

Hardware  circular  buffering 
(both  on-  and  off-chip) 


ADSP-2101  DSP16A 


Zero  overhead  looping  &  branching  V 

1 .  Accumulator  may  overflow  256  times. 

2.  Accumulator  may  overflow  16  times. 

Table  4.  Fundamental  Requirements  of  DSP 


No 


No 


The  internal  ROM  on  the  DSP1 6A  must  be  programmed  by  the 
factory.  The  extra  costs  associated  with  programming  internal 
ROM  make  it  impractical  for  low-volume  applications.  It  is  also 
expensive  to  fix  bugs  or  upgrade  code  once  the  device  is 
programmed.  In  applications  with  external  program  memories, 
the  high  clock  speeds  of  currently  available  DSP1 6As  require 
extremely  fast  external  EPROMs.  The  33  ns  version  requires 
EPROMs  with  15  ns  access  times.  A  system  that  uses  fast 
versions  of  the  DSP1 6A  will  be  very  expensive  to  design  and 
manufacture.  There  are  no  programmable  wait  states  on  the 
DSP16A. 


SUMMARY 

Digital  signal  processing  is  a  specialized  branching  of 
processor  design  and  application.  Table  4  summarizes  the 
fundamental  requirements  of  DSP. 
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Considerations  for  Selecting  a  DSP  Processor 
(ADSP-2101  vs.  TMS320C50) 


by  Bob  Fine  and  Gerald  McGuire 


performance 
— bilities  in 


INTRODUCTION 

Digital  signal  processing  systems  demand  high  performance 
processors.  But  high  performance  cannot  be  measured  by  a 
processor's  multiplication/accumulation  speed  or  MIPS 
(Millions  of  instructions  per  second)  rating  alone.  Many  times 
a  DSP  processor  is  characterized  mainly  by  its  MIPS  rate. 
Since  the  instruction  of  one  DSP  device  is  not  necessarily 
equivalent  to  that  of  another  DSP  device,  a  MIPS  rating  can  be 
misleading.  Other  architectural  and  i 
requirements  relating  to  a  DSP  processor's 
areas  such  as  arithmetic,  addressing  and  program  sequencing 
may  be  more  important.  What  distinguishes  DSPs  from  other 
types  of  microprocessor  and  microcontroller  architectures  is 
how  well  they  perform  in  each  of  the  following  areas. 

1 .      Fast  and  flexible  arithmetic 

A  DSP  processor  must  provide  single-cycle 
computation  for  multiplication,  multiplication  with 
accumulation,  arbitrary  amounts  of  shifting,  and 
standard  arithmetic  and  logical  operations.  In  addition, 
the  arithmetic  units  should  allow  for  any  sequence  of 
computation  so  that  a  given  DSP  algorithm  can  be 
executed  without  being  reformulated. 


2. 


Extended  dyi 
accumulation 


namic  range 


on 


multiplication/ 


Extended  sums-of-products  are  fundamental  to  DSP 
algorithms.  Protection  against  overflow  in  successive 
accumulations  ensures  that  no  loss  of  data  or  range 
occurs. 


3.      Single-cycle  fetch  of  two  op 
chip) 


i  either  on- or  off- 


Hardware  circular  buffering  (both  on-  and  off-chip) 

A  large  class  of  DSP  algorithms  including  most  filters 
require  circular  buffers.  Hardware  to  handle  address 
pointer  wraparound  or  modulo  addressing  reduces 
overhead  (increasing  performance)  and  simplifies 
implementation. 

Zero  overhead  looping  and  branching 


DSP  algorithms  are  naturally  repetitive  and  can  easily 
be  expressed  as  loops.  Program  sequencing  that 
supports  looped  code  with  zero  overhead  provides  the 
best  performance  and  the  easiest  programming 
implementation.  Likewise,  overhead  penalties  for 
conditional  program  flow  are  unacceptable  in  signal 
processing  applications. 

Not  all  processors  currently  used  for  DSP  and  DSP-like 
functions  meet  these  architectural  and  performance 
requirements  equally  well.  This  article  examines  these 
considerations  for  selecting  a  DSP  processor,  comparing  two 
16-bit  fixed-point  processors,  the  ADSP-2101  from  Analog 
Devices  and  the  TMS320C50  from  Texas  Instruments. 

The  three  sections  that  follow  discuss  the  five  points  above. 
The  arithmetic  section  discusses  items  one  and  two,  the 
addressing  capabilities  sections  discusses  items  three  and 
four  and  the  program  sequencing  section  discusses  item  five. 

Program  examples  and  benchmarks  can  be  found  at  the  end 
of  this  article. 


d  at  the  end 


Again,  in  extended  sums-of-products  calculations,  two 
operands  are  always  needed  to  feed  the  calculation.  A 
processor  must  be  able  to  sustain  two  operand  data 
throughput.  Also,  flexible  addressing  capabilities  for 
multiple  data  memories  is  important. 


ARITHMETIC  CAPABILITIES 

The  basis  of  a  successful  DSP  implementation  is  the  ability  to 
perform  fast  math.  Arithmetic  capabilities  are  the  foundation  of 


General  Purpose  Math 

One  indicator  of  a  good  arithmetic  architecture  is  the  ability  to 
perform  a  wide  range  of  arithmetic  computations.  These 
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computations  should  be  handled  in  a  flexible  manner  so  that 
the  algorithm  can  be  implemented  without  rearranging  the 
order  of  the  arithmetic  operations  or  operands.  If  the  arithmetic 
architecture  is  fixed,  too  special-purpose  or  limited  and  the 
algorithm  must  be  rearranged,  this  poses  extra  work  for  the 
DSP  designer  or  programmer  and  delays  getting  a  system 
running.  Algorithm  development  frequently  turns  out  to  be 
much  of  the  work  of  implementing  a  DSP  system.  If  an 
algorithm  can  be  used  "as  is"  with  no  extra  work,  the  design  can 
be  finished  sooner  and  with  less  chance  of  error. 

Arithmetic  Architecture 

Figure  1  shows  a  block  diagram  of  the  arithmetic  section  of  the 
ADSP-2101  while  Figure  2  shows  that  of  the  TMS320C50. 
Both  of  these  devices  utilize  a  modified  Harvard  architecture 
which  can  feed  data  operands  from  both  program  memory  and 
data  memory  to  the  arithmetic  section.  Both  of  these  devices 
work  with  16-bit  numbers. 

ADSP-2101  Arithmetic  Architecture  Overview 

The  ADSP-2101  has  three  independent  computational  units: 
an  ALU,  a  multiplier/accumulator  (MAC),  and  a  barrel  shifter. 
They  are  connected  (via  the  Result  bus)  so  that  the  output 
register  of  any  arithmetic  unit  may  be  operated  on  directly  as 
an  input  by  any  other  unit.  In  addition,  the  ALU  and  MAC  are 
directly  connected  to  both  the  program  and  data  memory 
buses.  Operands  for  ALU  and  MAC  operations  can  come  from 
both  memories  or  any  combination  of  off-chip  memory  and 


other  data  registers  in  the  processor.  All  arithmetic  operations 
are  register  based  and  a  group  of  registers  surrounds  each 
arithmetic  unit.  A  primary  and  secondary  bank  of  registers  is 
available  to  provide  for  fast  context  switching.  All  arithmetic 
registers  can  also  be  used  as  general  purpose  data  registers. 

TMS320C50  Arithmetic  Architecture  Overview 

Figure  2  shows  the  block  diagram  of  the  arithmetic  section  of 
the  TMS320C50.  The  TMS320C50  contains  a  multiplier,  an 
ALU,  a  Parallel  Logic  Unit  (PLU),  a  16-bit  scaling  shifter  and 
additional  shifters  at  the  outputs  of  both  the  accumulator  and 
multiplier.  The  multiplier  has  an  input  register,  TREGO,  and  an 
output  register,  PREG.  The  multiplier  has  direct  input 
connections  to  both  the  program  and  data  bus  only  for  one 
operand  or  input.  The  ALU  has  direct  access  to  only  the  data 
bus,  not  the  program  bus.  Results  are  always  sent  to  either  the 
data  bus  or  the  accumulator  registers.  In  some  cases,  the 
result  must  first  be  stored  back  in  data  memory  before  it  can  be 
used  as  an  input  for  another  calculation.  Operations  such  as 
adding  two  data  values  from  memory  or  multiply/accumulating 
with  a  data  value  can  require  multiple  cycles. 

As  with  the  TMS320C25,  there  is  no  dedicated  multiplier/ 
accumulator  (MAC),  which  is  required  in  many  DSP 
algorithms.  Instead  the  ALU  must  be  used  in  conjunction  with 
the  multiplier  for  MAC  operations.  This  may  require  some 
rearrangement  of  the  algorithm  or  the  temporary  storage  of 
intermediate  results  in  data  memory  if  the  algorithm  requires 
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Figure  T.  Block  Diagram  of  Arithmetic  Section  of  the  ADSP-2101 
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F/gure  2.  Block  Diagram  of  Arithmetic  Section  of  the  TMS320C50 


MAC  operations  interleaved  with  ALU  operations.  Also,  there 
are  arithmetic  pipeline  delays  that  are  required  to  achieve 
sustained  MAC  operations.  Basic  multiply  and  ALU  operations 
require  multiple  cycles  as  opposed  to  the  single  cycle 
operation  of  the  arithmetic  units  in  the  ADSP-2101 . 

The  availability  of  general  purpose  data  registers  and  the 
flexibility  of  data  movement  in  the  TMS320C50  is  limited.  This 
may  result  in  data  bottlenecks  and  in  extra  cycles  being 
required  to  move  data  into  the  right  position  prior  to  an 
arithmetic  operation. 


ADSP-2101  ALU 

The  ALU  has  two  X  and  two  Y  input  registers:  AXO,  AX1 ,  and 
AYO,  AY1.  ALU  operations  are  performed  on  any  X-Y 
assortment  of  these  input  registers.  They  may  be  loaded  from 
any  combination  of  program  and  data  memory  or  other  data 
registers  in  the  processor.  The  result  of  the  operation  appears 
in  the  ALU  result  (AR)  or  ALU  feedback  (AF)  register.  AR  and 
AF  can  also  be  used  as  the  X  and  Y  operands  (respectively)  in 
any  ALU  calculation.  In  addition,  the  result  registers  of  the 
MAC  and  barrel  shifter  can  also  be  used  directly  as  X  inputs  to 
the  ALU  (and  vice  versa). 
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ALU  instructions  are  coded  in  a  register  transfer,  algebraic 
syntax.  An  example  of  addition  is  shown  below.  This  example 
is  a  multifunction  instruction.  The  first  "clause"  of  the  instruction 
(up  to  the  first  comma)  is  the  addition  operation.  The  second 
clause  loads  the  X  input  register  from  data  memory  ("DM")  and 
the  third  clause  loads  the  Y  input  from  program  memory.  An 
addition  (or  any  other  ALU  operation)  can  be  executed  on  a 
sustained,  single-cycle  basis.  (These  operand  fetching 
clauses  of  the  instruction  may  be  omitted,  if  they  are  not 
needed.) 

AR  =  AXO  +  AY1 ,  AX0=DM(I0,M0)  ,  AY1=PM ( 1 4 , M4 ) 

All  ALU  operations  complete  in  a  single  60  ns  cycle.  (All 
references  to  cycles  for  the  ADSP-21 01  assume  a  1 6.67  MHz 
device.)  The  ADSP-21 01  runs  at  full  speed  even  with  an  off- 
chip  memory  access. 

TMS320C50  ALU 

ALU  operations  require  that  one  operand  must  come  from  the 
accumulator  while  the  other  comes  from  either  the  multiplier 
output,  the  accumulator  buffer,  or  from  the  data  bus  or 
accumulator  through  a  shifter.  To  add  two  numbers,  the 
accumulator  must  be  loaded  with  the  first  data  value.  After  the 
accumulator  is  loaded,  a  second  number  can  be  added  to  the 
accumulator.  The  instructions  for  the  ALU  are  specified  with  a 
mnemonic.  The  two  instructions  required  to  add  two  numbers 
are  shown  below. 

ZALR  <data  memory  address> 
ADD        <data  memory  address> 

For  the  result  to  be  used  as  an  input  value  for  anything  other 
than  another  ALU  operation,  the  data  must  first  be  stored  back 
into  data  memory  from  the  accumulator.  Not  all  ALU 
operations  can  be  performed  in  a  single  50  ns  cycle;  an  add  as 
shown  above  can  be  accomplished  every  two  cycles.  All 
refe.ences  to  TMS320C50  cycles  assume  a  20  MHz  device 
with  an  50  ns  cycle  time.  Not  all  ALU  instructions  (i.e. ,  ADD  #k, 
SUB  #k,  ADD  #lk,  SUB#lk,  ADRK)  can  be  used  with  the  repeat 


ADSP-21 01  MAC 

As  shown  in  Figure  1 ,  the  ADSP-21 01  multiplier/accumulator 
(MAC)  sits  next  to  the  ALU.  Like  the  ALU,  it  has  two  X  and  two 
Y  input  registers,  MX0,  MX1  and  MY0,  MY1 .  The  unit  performs 
both  multiplications  and  MACs  independent  of  the  ALU.  This 
is  a  key  difference  from  the  architecture  of  the  TMS320C50. 

MAC  operations  are  performed  on  any  X- Y  assortment  of  input 
registers.  They  may  be  loaded  from  any  combination  of 
program  and  data  memory  or  other  data  registers  in  the 
processor.  The  result  of  the  operation  appears  in  the  MAC 
result  register  (MR)  or  the  MAC  feedback  register  (MF).  Like 
the  ALU,  the  feedback  and  result  registers  can  also  serve  as 
the  X  and  Y  inputs  for  any  multiplication  or  MAC  operation.  In 
addition,  the  result  registers  of  the  barrel  shifter  and  ALU  can 
also  be  used  directly  as  X  inputs  to  the  MAC  (and  vice  versa). 


The  instructions  for  the  MAC  are  specified  in  a  register  transfer, 
algebraic  syntax.  An  example  is  shown  below.  The  first  line 
shows  multiplication  of  two  signed  operands  and  the  second 
example  shows  multiplication  with  accumulation  of  one  signed 
and  one  unsigned  operand.  (Signed  and  unsigned  operands 
can  be  mixed  in  any  combination.) 

The  second  example  is  a  multifunction  instruction.  The  first 
"clause"  of  the  instruction  (up  to  the  first  comma)  is  the  MAC 
operation.  The  second  clause  loads  the  X  input  register  from 
data  memory  ("DM")  and  the  third  clause  loads  the  Y  input  from 
program  memory.  Any  MAC  operation  can  be  executed  on  a 
sustained,  single-cycle  basis.  (These  operand  fetching 
clauses  of  the  instruction  may  be  omitted,  if  they  are  not 
needed,  as  in  the  first  example.) 

MR=MX0*MY0  (SS) 

MR=MR+MX1*MY1  (SU) ,  MX1=DM (10, M0) ,  MY1=PM(I4,M4) 

The  MR  (MAC  result)  register  is  actually  a  40-bit  accumulator. 
It  is  divided  into  two  1 6-bit  pieces  (MR0  and  MR1 )  and  an  8-bit 
overflow  register  (MR2).  DSP  applications  frequently  deal  with 
numbers  over  a  large  dynamic  range.  The  eight  "overflow"  bits 
of  MR2  allow  for  256  MAC  overflows  before  a  loss  of  data  can 
occur.  The  MAC  also  supports  multiprecision  operations  as 
well  as  automatic  unbiased  rounding. 

All  multiplication  and  MAC  operations  execute  in  a  single  60  ns 
cycle.  (Please  consult  an  ADSP-2101  Data  SAree/forthe  most 
recent  specifications.)  Two  new  operands  can  be  loaded  into 
the  input  registers  in  parallel  with  the  computation  so  that  a  new 
MAC  operation  with  new  operands  can  be  started  every  cycle. 
The  ADSP-2101  runs  at  full  speed  even  with  an  off-chip 
memory  access. 

TMS320C50  MAC  Operation 

There  is  no  dedicated  multiplier/accumulator  hardware  in  the 
TMS320C50.  The  TMS320C50  requires  the  use  of  both  the 
multiplier  and  the  ALU  to  perform  a  complete  multiplication/ 
accumulation  operation.  A  multiplication  is  performed  by 
loading  the  TREGO  register  with  the  first  operand.  Once  this 
data  is  loaded,  a  value  from  the  data  bus  can  be  multiplied  with 
the  value  in  the  TREGO  register.  The  instructions  for  the 
multiplier  are  specified  with  a  mnemonic.  The  instructions  for 
a  multiplication  are  shown  below. 

LT  <data  memory  address> 

MPY         <data  memory  address> 

A  product  is  obtained  every  two  cycles. 

A  full  multiplication/accumulation  requires  the  use  of  the  ALU 
as  well  as  the  multiplier.  The  instruction  required  to  perform  a 
MAC  operation  is  shown  below.  This  instruction  requires  two 
words  of  program  memory  storage. 

MAC        <prog.  mem.  address>  <data  mem.  address> 
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With  both  operands  in  on-chip  memory,  the  MAC  instruction 
takes  three  50  ns  cycles  in  non-repeat  mode.  In  repeat  mode, 
it  will  require  2  +  n  cycles,  where  n  is  the  number  of  repeats. 

There  are  four  different  mnemonics  used  for  the  multiply/ 
accumulate  function:  MAC,  MACD,  MADD,  MADS.  The 
specific  use  of  each  of  these  depends  upon  the  source  of  the 
data.  For  a  dual  operand  fetch ,  such  as  that  needed  for  a  digital 
filter,  the  MADD  instruction  should  be  used.  The  DMO  V  portion 
of  the  MADD  instruction  will  not  function  with  external  memory. 
All  data  must  reside  on  chip. 

The  TMS320C50  provides  one  bit  of  extension  in  the 
accumulator  (a  31 -bit  accumulator  with  an  overflow  bit 
compared  to  the  40-bit  accumulator  of  the  ADSP-21 01 ).  After 
more  than  one  overflow,  the  calculation  of  the  TMS320C50  is 
corrupted.  Automatic  rounding  is  not  supported  in  the 
multiplier.  This  is  unlike  the  ADSP-21 01,  where  up  to  256 
overflows  can  occur  with  no  lost  data  and  automatic  rounding 
is  performed  in  the  same  cycle  as  the  multiply  operation. 

ADSP-21 01  Shifter 

The  barrel  shifter  in  the  ADSP-21 01  has  an  input  register,  SI, 
and  accepts  as  inputs  any  result  registers  in  the  processor 
(e.g.,  MR1 ,  AR)  including  its  own  result  register,  SR.  Like  the 
MAC  result  register  set,  the  32-bit  SR  is  divided  into  two  1 6-bit 
registers,  SR0  and  SR1.  The  shifter  also  has  an  exponent 
register,  SE,  which  is  set  automatically  by  the  exponent  adjust 
instructions  and  used  for  normalization  instructions. 


The  shifter  can  place  a  1 6-bit  input  value  anywhere  within  a  32- 
bit  field  in  a  single  cycle.  The  input  can  be  shifted  any  number 
of  bits  from  off-scale  left  to  off-scale  right  with  either  an 
arithmetic  or  logical  shift.  Other  functions  such  as  exponent 
detection,  normalization,  denormalization,  block  floating-  point 
exponent  maintenance,  and  pattern  merging  can  also  be 
performed  with  this  shifter.  All  shifter  operations  are  performed 
in  a  single  cycle.  Numbers  can  be  normalized,  regardless  of 
the  number  of  bits  to  be  shifted,  in  a  single  cycle. 

TMS320C50  Shifter 

The  TMS320C50  has  three  scaling  shifters.  The  P-scaler 
shifts  the  product  0,  1 ,  or  4  bits  to  the  left  or  6  bits  to  the  right. 
The  prescaler  at  the  input  of  the  ALU  shifts  data  to  the  left  or 
right  from  0  to  1 6  bits.  The  post-scaler  at  the  output  of  the  ALU 
can  shift  data  coming  from  the  accumulator  left  from  0  to  7  bits. 
These  shifters  add  the  advantage  of  being  able  to  scale  data 
during  the  data  move  instead  of  requiring  an  additional  shifter 
operation. 

Arithmetic  Summary 

Table  1  summarizes  the  comparison  of  arithmetic  capabilities 
of  these  processors. 

The  side-by-side  arithmetic  architecture  of  the  ADSP-21 01 
results  in  easier  implementation  of  many  DSP  algorithms  as  ' 
compared  to  the  fixed  sequence,  end-to-end  architecture  of 
the  TMS320C50.  Due  to  the  dependency  of  the  ALU  on  the 
multiplier  for  multiplication/accumulations  in  the  TMS320C50, 


DSP  Requirement 

ADSP-21 01 

TMS320C50 

All  ALU  operations  -  single  cycle 

 1_ 

✓ 

No 

Single-cycle  multiplication 

No 

Single-cycle  MAC  operations 

✓ 

*  ' 

Single-cycle  shifting 

0-32  bits 
left  or  right 

0-16  bits 
left  or  right 
0-7  bits  left 
1  or  4  bits  left 
6  bits  right 

Accumulator  overflow  protection 

8  bits 

1  bit 

Signed,  unsigned  or  mixed-mode 
multiplications 

✓ 

No  mixed 
mode 

Single-cycle  normalization 

✓ 

No 

•Approaches  single-cycle  efficiency  when  using  repeat  mode 


Table  1 .  Summary  of  Arithmetic  Capabilities 
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MAC  operations  cannot  be  easily  intermingled  with  ALU 
operations.  This  may  require  changing  the  order  of 
calculations  in  an  algorithm  so  that  the  interdependency  of 
ALU  and  multiplier  does  not  cause  a  problem.  The  local 
storage  registers  found  in  the  ADSP-2101  make  data 
movement  for  calculations  easy.  If  data  is  to  be  used  many 
times,  it  can  reside  in  a  register  to  eliminate  the  need  of  fetching 
it  from  memory  each  time.  With  local  registers  and  the  open 
architecture,  it  is  easy  to  perform  arithmetic  operations  in  any 
order  and  to  guarantee  that  input  operands  and  results  remain 
intact  until  explicitly  overwritten  or  moved. 

DATA  ADDRESSING  CAPABILITIES 

A  digital  signal  processor's  ability  to  perform  fast  arithmetic  is 
wasted  if  the  required  data  cannot  be  fetched  at  sustained 
speed  equal  to  the  processing  rate.  Addressing  hardware 
must  support  the  dual  operand  fetches  required  to  fully  utilize 
the  Harvard  architecture  found  in  most  DSPs.  A  good  DSP 
must  have  the  ability  to  store  two  types  of  data  operands, 
typically  a  coefficient  and  adata  word.  Maximum  efficiency  can 
be  obtained  if  two  different  memory  spaces  are  provided  for  the 
data  operands  so  that  two  operands  can  be  fetched  in  the 
same  single  cycle.  Using  both  data  memory  and  program 
memory  to  store  data  will  allow  maximum  efficiency.  Circular 
buffers  are  frequently  useful  in  implementing  DSP  algorithms; 


hardware  support  of  address  pointer  wraparound  is  another 
feature  distinguishing  a  signal  processor  from  other  types  of 
high-performance  processors. 

Figure  3  shows  the  address  generation  circuitry  of  the  ADSP- 
2101  while  Figure  4,  on  page  8,  shows  that  of  the  TMS320C50. 
The  addressing  capabilities  of  the  TMS320C50  are  basically 
the  same  as  those  of  the  TMS320C25  with  the  addition  of  some 
circular  buffering  logic.  Flexibility  is  still  limited  since  there  is 
only  one  modify  regist  r  (ARO)  and  only  two  simultaneous 
circular  buffers  are  supported  compared  to  the  eight  modify 
registers  and  eight  simultaneous  circular  buffers  of  the  ADSP- 
2101.  Also,  due  to  instruction  pipelining  of  the  TMS320C50, 
the  auxiliary  registers  cannot  be  used  for  as  many  as  two 
cycles  after  certain  register  load  instructions.  These 
addressing  limitations  and  restrictions  of  the  TMS320C50  can 
present  severe  penalties  in  data  addressing  efficiency  for  DSP 
algorithms  and  can  result  in  data  bottlenecks  and  slower 
execution  of  DSP  code. 

ADSP-2101  Addressing 

There  are  two  independent  address  generators  in  the  ADSP- 
2101.  One  typically  supplies  addresses  for  program  memory 
data  fetches  while  the  other  handles  data  memory,  making 
efficient  use  of  the  modified  Harvard  architecture.  Each 
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Figure  3.  Block  Diagram  of  ADSP-2101  Data  Address  Generators 
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address  generator  has  four  I  (index)  registers  which  store 
pointers  (addresses),  four  M  (modify)  registers  for  address 
modifiers,  and  four  L  (length)  registers  storing  buffer  lengths 
for  modulo  addressing  of  circular  buffers. 

The  address  generator  can  bit-reverse  an  address  as  it  is  sent 
out  to  the  address  bus  for  zero-overhead  bit-reversing  for  the 
FFT.  The  I,  M,  and  L  registers  can  be  also  used  for  general 
purpose  data  storage. 

The  address  generators  can  also  be  used  in  conjunction  with 
the  serial  ports  to  provide  an  automatic  data  buffering  function. 
As  data  words  come  in  or  go  out  the  serial  port,  data  buffer 
addressing  is  automatically  maintained  and  an  interrupt  is 
generated  when  the  buffer  is  full  or  empty.  This  minimizes 
interrupt  handling  for  serial  port  data  transfers. 

ADSP-2101  Indirect  Addressing 

With  indirect  addressing,  the  address  in  an  I  register  drives 
either  the  data  or  program  memory  address  bus.  While  the 
memory  is  being  accessed,  the  address  is  simultaneously 
updated  with  the  contents  of  any  of  the  modify  (M)  registers, 
as  shown  in  Figure  3.  The  specific  pairing  of  I  and  M  registers 
is  up  to  the  programmer.  For  example,  10  and  M3  could  be 
specified  in  the  instruction  as  in 

AXO  =  DM(I0,M3)  ;  (load  AXO  from  Data  Memory 

and  modify  10  by  M3  ) 

The  ability  to  mix  I  registers  and  M  registers  is  especially  useful 
for  two-dimensional  addressing  or  for  supporting  pointer 
increment  and  decrement  without  constantly  reloading  a  new 
modify  value.  This  instruction  syntax  shows  explicitly  what 
registers  are  used  to  generate  the  address  and  where  the  data 
is  going;  nothing  has  to  be  inferred. 

Loading  the  length  of  a  circular  buffer  into  the  L  register 
activates  the  modulus  logic,  guaranteeing  that  the  address  is 
kept  inside  the  buffer  in  a  modulo  fashion.  This  is  maintained 
automatically  by  the  address  generator  hardware  and  does  not 
have  to  be  calculated  explicitly  by  the  programmer.  Circular 
buffers,  such  as  for  the  delay  lines  of  digital  filters,  are  both 
transparent  and  require  zero-overhead.  Circular  buffering  is 
automatically  maintained  regardless  of  the  modify  value  used. 

ADSP-2101  Direct  Addressing 

Due  to  the  24-bit  width  of  the  ADSP-21 01  instruction,  a  full  1 4- 
bit  address  can  be  specified  within  a  (single-word)  instruction 
for  single-cycle  access  to  any  data.  Figure  5  illustrates  this. 
Below  is  an  example  of  an  instruction  using  direct  addressing 
to  read  from  data  memory. 

MXO  =  DM (some_label )  ; 

ADSP-2101  Circular  Buffering 

Circular  buffering  is  supported  in  hardware  by  the  address 
generators  of  the  ADSP-2101.  Each  address  generator  can 
maintain  four  simultaneous  circular  buffers  for  a  total  of  eight. 
Circular  buffers  can  be  placed  in  either  data  or  program 
memory.  The  length  register  (L  registers)  is  simply  loaded  with 


the  length  of  the  circular  buffer.  The  modulus  logic  detects 
when  the  pointer  (updated  index  register  value)  has  reached 
or  exceeded  the  end  of  the  buffer  boundary.  Operation  is 
supported  for  going  forwards  or  backwards  through  the  buffer. 
The  step  size  can  be  of  any  value  that  is  less  than  the  full  buffer 
length.  For  applications  such  as  interpolation  filters,  where  the 
step  size  is  equal  to  the  interpolation  factor,  zero-overhead 
circular  buffer  operation  is  maintained. 

TMS320C50  Addressing 

The  auxiliary  register  file  of  the  TMS320C50  is  used  for  storage 
of  addresses  and  a  single  modifier.  Only  one  address  can  be 
supplied  at  a  time  with  the  auxiliary  register  file  so  that  two 
general  purpose,  indirect  addressed  data  fetches  cannot  be 
achieved  in  a  single  cycle. 

TMS320C50  Indirect  Addressing 

The  auxiliary  register  file  is  connected  to  an  arithmetic  unit 
which  will  auto-index  the  contents  of  the  auxiliary  register  or 
modify  a  register  by  the  contents  of  auxiliary  register  number 
0.  The  TMS320C50  has  a  single  modify  register.  This  limits  the 
addressing  capabilities  for  indirect  addressing.  Limited 
support  is  provided  for  circular  modulo  addressing;  this 
diminishes  the  performance  of  DSP  algorithms  using  circular 
buffers.  Automatic  circular  buffering  is  only  supported  for 
increment  and  decrement  address  modifications.  Modify 
values  greater  than  1  will  not  work. 

TMS320C50  Direct  Addressing 

The  TMS320C50  can  directly  access  data  within  a  1 28-word 
block  (compared  to  a  1 6K  word  block  with  the  ADSP-21 01 ).  A 
9-bit  data  page  register  is  used  in  conjunction  with  the  direct 
address  to  access  a  larger  data  space.  To  access  data  within 
a  different  block  requires  software  overhead  to  update  the  9- 
bit  data  page  register.  The  update  of  the  page  register  poses 
the  requirement  on  the  programmer  to  detect  when  the  page 
boundary  has  been  exceeded  and  when  it  is  necessary  to 
update  the  page  register. 

TMS320C50  Circular  Buffering 

Two  circular  buffers  can  be  maintained  by  hardware  in  the 
address  generation  circuitry.  A  register  (CBSR)  is  used  to  hold 
the  start  address  of  the  circular  buffer  and  a  register  (CBER) 
is  used  to  hold  the  end  address  of  the  circular  buffer.  Since  the 
auxiliary  registers  are  used  for  pointers  into  the  circular  buffer, 
circular  buffers  in  program  memory  (coefficients)  are  not 
possible.  The  circular  buffer  logic  in  the  TMS320C50  checks 
only  for  a  pointer  equal  to  the  end  address,  it  does  not  check 
for  a  pointer  that  has  skipped  over  the  end  address  (i.e.,  using 
a  step  size  greater  than  1).  For  applications  which  require  a 
step  size  greaterthan  1 ,  such  as  interpolation  filters,  additional 
code  (APL  and  OPL  instructions)  is  needed  to  monitor  the 
value  of  the  pointer.  This  requires  several  cycles  of  overhead 
for  each  data  word  addressed.  Also,  the  maximum  circular 
buffer  length  supported  by  the  TMS320C50  is  256,  thus 
limiting  the  size  of  digital  filters  that  can  be  used. 
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Figure  4.  Block  Diagram  of  TMS320C50  Address  Generation  Circuit 


TMS320C50  Addressing  instructions 

The  instruction  mnemonics  of  the  TMS320C50  involve  several 
addressing  modes.  Indirect  and  direct  addressing  is  specified 
within  arithmetic  instructions  and,  depending  upon  the 
memory  configuration,  can  impose  several  overhead  cycles 
(overhead  can  be  as  high  as  eight  cycles  with  external 
memory).  Some  general  syntax  examples  are  shown  below. 

ADD  { * | *+ | *- 1 *0+ 1*0-1 *BRO+ I *BRO- }  [,<nextARP>] 
MPY     {*|*+|«-|*0+I*0-|*BRO+I*BRO-1  [,<nextARP>] 

Specific  examples  of  these  are  shown  below. 

ADD  * 
MPY  *0+ 

The  first  example  uses  the  contents  of  an  auxiliary  register  as 
the  address  and  the  second  uses  the  contents  of  an  auxiliary 
register  as  the  address  and  adds  the  contents  of  auxiliary 
register  0  as  a  modifier.  This  instruction  syntax  can  be  hard  to 
decipher  because  it  does  not  directly  name  which  auxiliary 
register  is  being  used.  That  information  is  stored  in  the  auxiliary 
register  pointer  (ARP). 


The  address  generator  can  bit-reverse  an  address  as  it  is  sent 
out  to  the  address  bus  for  zero-overhead  bit-reversing  for  the 
FFT.  Auxiliary  registers  can  also  be  used  for  general  purpose 
data  storage  and  the  auxiliary  ALU  can  be  used  for  limited 
math. 

ADDRESS  GENERATION  SUMMARY 

Sustaining  high  rates  of  arithmetic  operations  demands 
maximum  performance  from  the  data  addressing  part  of  a 
processor's  architecture.  Table  2  summarizes  the  differences 
between  the  two  processors  in  terms  of  their  data  addressing 
capabilities. 

PROGRAM  SEQUENCING  CAPABILITIES 

Efficient  architectures  for  signal  processing  require  fast 
arithmetic  capabilities  and  matching  speed  in  data  addressing 
and  fetching  capabilities.  To  fully  deliver  the  performance 
required  for  real-world  signal  processing,  a  DSP  machine  must 
execute  its  program  with  little  or  no  overhead  spent  on 
maintaining  the  proper  flow  of  control. 
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DSP  Requirement 

ADSP-2101 

TMS320C50 

Single-cycle  fetch  of  two  operands 
from  on-chip 

• 

✓ 

No 

Single-cycle  MAC  operations 

✓ 

Modify  two  addresses  by  two 
different  modify  values  on  every  cycle 

✓ 

No 

Bit-reverse  data  memory 

✓ 

✓ 

addresses  for  FFT 

Automatic  pointer  wraparound 
for  circular  buffers 

✓ 

Automatic  circular  modulo  addressing 

✓ 

No 

MAC,  MACD,  MADD  &  MADS  instructions  only 
*  For  step  size  of  1  only,  and  cannot  be  used  for  program  memory 


Table  2.  Summary  of  Data  Addressing  Capabilities 


Efficiency  in  program  sequencing  has  many  different  aspects; 
they  cannot  all  be  covered  in  this  article.  The  comparison 
focuses  primarily  on  two  features 

the  execution  of  loops  and 

how  branching  and  branching  on  conditions  are 
handled. 

Loops  are  fundamental  to  the  way  DSP  algorithms  are 
expressed  in  their  natural  mathematical  form.  Operations  such 
as  sums-of-products  are  repetitive.  If  the  program  can  be 
efficiently  expressed  in  a  looped  form,  then  coding  is  quite 
straight  forward  and  changing  the  program  (for  example,  to 
increase  the  number  of  taps  in  a  filter)  requires  very  little  work. 


ADSP-2101  Program  Sequencer 

The  program  sequencer  of  the  ADSP-21 01  contains  logic  that 
selects  a  program  memory  address  source  and  routes  the 
address  to  the  program  memory  address  bus  (PMA).  This 
address  selection  occurs  automatically  in  response  to  the 
current  instruction.  The  address  placed  on  the  address  bus 
can  come  from 

the  program  counter  (for  seq 

a  14-bit  address  in  the  instruction  word  itself,  for  direct 
jumps  and  subroutine  calls, 

the  PC  stack,  for  returns  from  subroutines  and 
  interrupts,  and 


Branching  is  fundamental  to  program  structure.  Branching  on 
conditions  (and  executing  arithmetic  on  conditions)  is  a  natural 
way  to  construct  any  program  which  must  respond  to  its 
environment. 


Program  Sequencer  Architecture 

Figure  5,  which  can  be  found  on  the  following  page,  shows  the 
architecture  of  the  program  sequencer  of  the  ADSP-21 01  and 
Figure  6,  which  can  be  found  on  page  12,  shows  that  of  the 
TMS320C50. 


the  interrupt  logic,  to  automatically  vector  to  the  interrupt 
routine  upon  assertion  of  any  external  interrupt. 


All  instructions  execute  in  a  single  cycle;  this  applies  equally  to 
jumps,  calls  and  interrupts.  No  instruction  pipelining  is  required 
in  the  ADSP-2101  so  that  program  flow  is  simple  to 
understand. 

When  an  interrupt  occurs,  the  complete  status  of  the  processor 
(stack  status,  mode  status,  arithmetic  status  and  interrupt 
mask)  is  automatically  pushed  onto  the  status  stack  as  part  of 
the  interrupt  vector  process. 

I 

■ 
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Figure  5.  Block  Diagram  of  the  Program  Sequencer  of  the  ADSP-2101 


ADSP-2101  Looping  Capabilities 

The  ADSP-2101  program  sequencer  supports  zero-overhead 
"DO  UNTIL"  loops.  Using  the  count  stack,  loop  stack  and  loop 
comparator,  the  processor  can  determine  whether  a  loop 
should  terminate  and  address  the  next  instruction  (either  the 
top  of  the  loop  or  the  instruction  after  the  loop)  with  no 
overhead  cycle. 


A  DO  UNTIL  loop  may  be  as  large  as  program  memory  size 
permits,  or  as  small  as  one  instruction.  A  loop  may  terminate 
when  a  1 4-bit  counter  expires  or  when  any  arithmetic  condition 
occurs.  The  example  below  shows  a  three  instruction  loop  that 
is  to  be  repeated  1 00  times. 
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Label : 


CNTR  =  100; 

DO  Label  UNTIL  CE; 

First  instruction  of  loop; 

Second  instruction  of  loop; 
Last  instruction  of  loop; 
First  instruction  outside  loop; 


The  first  instruction  loads  the  counter  with  1 00.  The  DO  UNTIL 
instruction  contains  the  address  of  the  last  instruction  in  the 
loop  (in  this  case  the  address  represented  by  the  identifier, 
Laos/)  and  also  contains  the  termination  condition  (in  this  case 
the  count  expiring,  CE).  The  execution  of  the  DO  UNTIL 
instruction  causes  the  address  of  the  first  instruction  of  the  loop 
to  be  pushed  on  the  PC  stack  and  the  address  of  the  last 
instruction  of  the  loop  to  be  pushed  on  the  I 
Figure  5.) 

As  instruction  addresses  are  output  to  the  program  memory 
address  bus  and  the  instruction  is  fetched,  the  loop  comparator 
checks  to  see  if  the  instruction  is  the  last  instruction  of  the  loop. 
If  it  is,  the  program  sequencer  checks  the  status  and  condition 
logic  to  see  if  the  termination  condition  is  satisfied.  The 
program  sequencer  then  either  takes  the  address  from  the  PC 
stack  (to  go  back  to  the  top  of  the  loop)  or  simply  increments 
the  PC  (to  go  to  the  first  instruction  outside  the  loop). 

The  looping  mechanism  of  the  ADSP-2101  is  automatic  and 
transparent  to  the  user.  As  long  as  the  DO  UNTIL  instruction 
is  specified,  all  stack  and  counter  maintenance  and  program 
flow  is  handled  by  the  sequencer  logic  with  no  overhead.  This 
means  that  in  one  cycle  the  last  instruction  of  the  loop  is  being 
executed  and  in  the  very  next  cycle,  the  first  instruction  of  the 
loop  is  executed  or  the  first  instruction  outside  the  loop  is 
executed,  depending  upon  whether  the  loop  terminated  or  not. 

The  ADSP-2101  can  support  four  levels  of  nesting  for  loops. 
DSP  routines  such  as  matrix  operations  and  two-dimensional 
processing,  as  well  as  more  common  algorithms  such  as  the 
FFT,  benefit  from  nested  looping  capabilities. 

ADSP-2101  Program  Sequencer  Instructions 

There  are  many  conditional  instructions  for  the  ADSP-2101. 
Most  arithmetic  instructions  as  well  as  jumps,  subroutine  calls, 
returns  from  interrupts  and  returns  from  subroutines  may  all  be 
conditional.  The  program  sequencer  decides  on  the  fly 
whether  the  condition  is  true  and  what  action  to  take,  requiring 
zero  overhead  cycles.  The  coding  of  conditional  jumps, 
subroutine  calls  and  returns  is  straightforward.  Some 
examples  of  the  syntax  are  shown  below. 


In  the  above  examples,  14  references  an  address  generator 
register  for  indirect  branching.  Condition  refers  to  any  of  a  set 
of  1 6  arithmetic  conditions  in  the  processor  and  label  refers  to 
any  address  or  label  in  the  program  memory  space. 

TMS320C50  Program  Sequencer 

The  program  sequencer  logic  of  the  TMS320C50  controls 
instruction  execution  and  consists  of  a  program  counter,  stack 
and  related  hardware.  Figure  6,  on  the  following  page, 
illustrates  the  logic  used  for  program  sequencing. 

The  TMS320C50  supports  a  block  repeat  function.  The  block 
repeat  feature  is  controlled  by  three  registers  (PASR,  PAER, 
and  BRCFt)  which  hold  the  top  of  loop  address,  the  end  of  loop 
address,  and  the  repeat  count.  Due  to  the  limitations  of 
instruction  pipelining,  the  minimum  size  of  a  loop  used  with  a 
block  repeat  is  three  instructions.  A  two  instruction  zero- 
overhead  loop  is  not  possible. 

A  loop  is  maintained  automatically  but  since  there  are  no  local 
stacks  or  storage  for  loop  count,  top  of  loop  address  and 
bottom  of  loop  address,  there  is  no  easy  way  to  have  nested 
loops.  Logic  is  also  included  to  repeat  a  single  instruction  as 


256  times. 


IF  condition  JUMP  label; 
IF  condition  JUMP  14; 
IF  condition  CALL  label; 
IF  condition  CALL  14; 
IF  condition  RTS; 


Instruction  execution  for  the  TMS320C50  utilizes  a  four-level 
pipeline  consisting  of  a  prefetch,  decode,  operand  fetch,  and 
execution  stage.  The  four  level  pipeline  imposes  certain 
restrictions  and  extra  cycles  of  overhead  with  operations  such 
as  loading  data  into  registers,  looping,  branching,  and 
executing  certain  instructions  after  other  instructions.  The 
ADSP-21 01  has  no  such  restrictions  because  it  does  not  need 
the  extra  instruction  pipelining  to  achieve  its  fast  speed. 

Anytime  the  flow  of  the  program  deviates  from  sequential 
instruction  fetches,  the  instruction  pipeline  must  be  emptied 
and  then  refilled  based  on  the  destination  address  of  the 
branch,  call  or  interrupt  vector.  These  types  of  operations 
require  at  least  three  cycles  to  execute  when  fetching  the 
instruction  from  external  memory  or  from  internal  program 
ROM.  This  type  of  instruction  pipelining  is  not  found  in  the 
ADSP-2101  (the  fast  instruction  execution  speed  is  achieved 
by  other  design  techniques)  and  no  extra  overhead  is 
encountered  in  the  ADSP-2101  for  jumps,  subroutines  or 
interrupts  regardless  of  whether  they  are  conditional  or  not. 

A  prefetch  counter  (PFC)  contains  the  address  of  the  next 
instruction  to  be  prefetched.  The  prefetched  instruction  is 
loaded  into  the  instruction  register  (IR),  unless  the  instruction 
register  still  contains  an  instruction  currently  executing.  In  this 
case,  the  prefetched  instruction  is  temporarily  stored  in  the 
queue  instruction  register  (QIR).  The  instruction  pipeline,  in 
conjunction  with  multi-cycle  instruction  execution,  can  make 
program  flow  complex  and  difficult  to  understand.  Calculating 
a  benchmark  for  a  particular  algorithm  can  also  become 
difficult  for  the  same  reason.  The  following  code  examples 
illustrate  the  counter-intuitive  sequence  of  events  due  to 
pipeline  delays  and  the  varying  number  of  execution  cycles  for 
different  instructions. 
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Figure  6.  Block  Diagram  of  the  TMS320C50  Program  Sequencer  Circuit 
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The  ADSP-2101  uses  a  single  level  of  instruction  pipeline 
where  all  instructions  can  execute  in  a  single  cycle.  Therefore, 
none  of  these  problems  exist  with  the  ADSP-21 01 . 

The  program  counter  can  supply  an  address  for  sequential 
addressing.  The  single  8-deep  PC  stack  is  used  for  storage  of 
return  addresses  as  well  as  for  providing  the  ability  to  push  and 
pop  data  for  the  accumulator.  An  interrupt  flag  register  (IFR)  is 
used  for  the  vectoring  to  an  interrupt  routine.  Unlike  the  ADSP- 
21  01 ,  status  is  not  automatically  saved  on  the  TMS320C50  for 
interrupts  so  that  the  programmer  must  perform  any  save  and 
restore  functions  explicitly. 

Branch  instructions  which  contain  a  direct  address  require 
multiple  program  memory  locations  because  both  the 
instruction  bits  and  the  address  cannot  fit  in  the  16-bit 
instruction  width.  Delayed  branches  are  required  to  minimize 


the  overhead  introduced  by  the  instruction  pipelining.  Even 
with  the  use  of  delayed  branches,  as  many  as  two  cycles  of 
overhead  are  required  with  the  TMS320C50,  where  no 
overhead  cycles  are  required  with  the  ADSP-21 01 .  Also,  with 
the  TMS320C50,  the  number  of  overhead  cycles  for  a 
conditional  branch  will  vary  depending  upon  whether  the 
condition  is  met  or  not. 

TMS320C50  Program  Sequencer  Instructions 

Arithmetic  instructions  cannot  be  conditional.  Only  branch 
instructions  are  conditional.  Branch  instructions  with  direct 
addresses  require  two  program  memory  words  due  to  the  1 6- 
bit  instruction  word. 

BACC 

BANZ  <address> 
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There  are  many  multiword  instructions  for  the  TMS320C50 
because  of  the  1 6-bit  size  of  the  instruction  word.  This  means 
that  two  or  more  fetches  are  required,  which  takes  extra  time. 
The  ADSP-21 01  has  a  24-bit  wide  instruction  and  no  multiword 
instructions  are  necessary. 

PROGRAM  SEQUENCER  SUMMARY 

Efficient  looping  capabilities  are  very  important  for  DSP 
algorithms  due  to  their  repetitive  nature.  Also,  zero-overhead 
jump  and  conditional  branching  is  important  where  many 
decisions  have  to  be  made  such  as  in  speech  processing. 
Table  3  summarizes  the  program  sequencer  capabilities  of  the 
ADSP-21 01  and  TMS320C50. 

I/O  HANDLING  CAPABILITIES 

A  final  area  of  efficiency  is  that  of  I/O  handling.  Memories, 
A/D  and  D/A  converters,  as  well  as  EPROM  for  program 
booting  will  need  to  efficiently  interface  to  the  DSP  processor 
to  minimize  extra  logic  and  software  overhead  to  drive  external 
peripherals.  The  ADSP-21 01  has  several  features  relating  to 
I/O  handling  which  simplify  DSP  system  design  and  which  are 
not  found  on  the  TMS320C50. 

1 1 

Automatic  Boot  Loading  From  External  Byte-Wide 
Memory 

The  ADSP-21 01  directly  interfaces  to  a  single  byte-wide 
EPROM  for  efficient  program  boot  loading.  No  extra 
components  are  needed  since  the  EPROM  can  directly 
connect  to  the  address  and  data  lines  of  the  ADSP-21 01 .  A 
boot  memory  select  pin  (BMS)  on  the  ADSP-21 01  is  tied 
directly  to  the  chip  select  pin  of  the  EPROM  and  the  read  line 
(RD)  is  directly  connected  to  the  output  enable  pin  of  the 
EPROM.  The  boot  memory  space  consists  of  an  external 


64K  x  8  space  divided  into  eight  separate  8K  x  8  pages.  At 
reset,  boot  page  0  is  automatically  transferred  in  to  the  internal 
RAM  of  the  ADSP-21 01.  Under  program  control,  any  of  the 
eight  pages  can  be  boot  loaded  into  the  internal  RAM  of  the 
ADSP-21 01  with  access  time  being  programmable. 

Flexible  Serial  Ports 

Both  devices  have  two  serial  ports.  The  serial  ports  of  the 
ADSP-21 01  can  operate  at  the  full  speed  of  the  processor 
where  the  serial  port  of  the  TMS320C50  can  only  operate  at 
1/4  the  instruction  cycle  rate.  The  serial  ports  of  the  ADSP- 
21 01  also  have  some  additional  features  which  makes  their 
operation  more  flexible.  The  word  width  of  the  data  to  be 
transmitted  and  received  is  programmable  and  can  be  set  for 
any  size  from  3  bits  to  16  bits.  On  the  TMS320C50,  the  word 
width  is  limited  to  8  or  16  bits. 

The  address  generators  of  the  ADSP-21 01  can  be  used  in 
conjunction  with  the  serial  ports  to  provide  an  automatic  data 
buffering  capability.  Normally,  an  interrupt  is  generated  after 
each  word  is  transferred  through  the  serial  port.  If  many  words 
are  to  be  transferred  (i.e.,  data  buffers  filled  for  a  speech 
application),  there  can  be  an  excess  of  interrupt  overhead 
associated  with  the  serial  ports.  The  ADSP-21 01  allows 
autobuffering  where  a  length  is  specified  along  with  a  buffer 
start  address  and  a  modify  value  (any  integer  value  which  is 
used  to  update  the  address).  As  each  word  is  transferred 
through  the  serial  port,  the  data  is  automatically  read  from  or 
written  to  data  memory,  transparent  to  the  user,  with  no 
interrupt  being  generated.  An  interrupt  is  generated  only  when 
the  buffer  is  full  or  empty.  One  of  the  serial  ports  of  the  ADSP- 
21 01  also  supports  a  multichannel  word  stream  for  easy 
interface  to  a  T1  or  CEPT  data  stream. 


DSP  Requirement                                         ADSP-21 01  TMS320C50 

PC  stack  depth 

16 

8 

Nested  looping 

4  levels 

No 

Conditional  arithmetic  instructions 

✓ 

No 

Zero-overhead  branching 

✓ 

No 

Speed  achieved  with  pipelining 

Not  required 

✓ 

4-level  pipeline 

Automatic  status  saving 
during  interrupt  vector 

✓ 

No 

Table  3.  Summary  of  Program  Sequencing  Capabilities 
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SUMMARY 

The  DSP  processors  available  on  the  market  today  vary 
drastically  in  their  ability  to  meet  the  five  key  requirements  of 
DSP  processing.  In  fact,  some  DSP-oriented  processors,  like 
the  TMS320C50,  are  better  high-speed  microcontrollers  than 
they  are  DSP  processors.  Analyzing  the  requirements  of  your 
DSP  system  and  matching  them  to  the  capabilities  of  a  DSP 
architecture  will  assure  efficient  operation. 

Due  to  space  limits,  this  article  does  not  cover  many  topics  in 
detail.  Consult  the  ADSP-2101  User's  Manual  and  the  ADSP- 
2101  Cross-Software  Manual  for  a  greater  depth  of 
information  on  this  processor. 


loaded  into  the  counter).  Indirect  addressing  is  used  to  address 
the  coefficient  buffer  Ck  and  the  input  data  buffer  A(n).  The 
address  registers  10  and  14  are  used  for  addressing  of  these 
two  buffers. 

The  first  advantage  of  the  ADSP-2101  is  its  algebraic  syntax 
for  assembly  language  code.  The  routine  starts  with  a  fetch  of 
the  error  term  from  data  memory.  This  value  is  loaded  into  the 
register  AR.  AR  is  the  ALU  result  register,  but  it  is  used  as  a 
general  purpose  data  register  in  this  example.  The  next  line  of 
code  loads  an  immediate  value,  the  beta  value,  into  register 
MY1 .  MY1  is  one  of  the  input  registers  of  the  multiplier  for  the 
Y  operand. 


APPENDIX:  PROGRAM  EXAMPLE 

To  illustrate  some  of  the  issues  discussed  above,  a  code 
example  is  shown  below  for  the  ADSP-2101  and  the 
TMS320C50.  To  avoid  long  listings  and  confusion,  a  short 
program  which  performs  the  LMS  adaption  of  FIR  filter 
coefficients  is  shown.  Both  processors  perform  identical  tasks 
so  that  no  interpretation  of  the  type  of  algorithm  is  required. 
Both  code  examples  do  not  show  any  initialization  of  pointers 
or  the  set  up  of  any  modes.  For  simplicity,  the  examples  only 
focus  on  the  core  operation. 

Because  these  examples  are  short,  the  performance 
advantages  of  the  ADSP-21 01  is  not  as  apparent  as  in  a  more 
sophisticated  example.  Nevertheless,  the  ease  of  coding  and 
the  benefits  of  the  instruction  syntax  and  the  architecture  can 
be  seen. 

ADSP-2101  Code  Example  Description 

The  example  shown  implements  an  adaptive  update  of  FIR 
filter  coefficients.  The  formula  used  is  expressed  as 

Ck+l=Ck+Beta*Error*A(n) . 

The  program  segment  shown  was  taken  from  the  book  Digital 
Signal  Processing  Applications  Using  The  ADSP-21 00  Family 
published  by  Prentice  Hall. 

The  code  shown  uses  the  looping  capabilities  of  the  ADSP- 
2101  and  can  be  easily  expanded  for  a  larger  number  of 
coefficients  by  simply  changing  the  number  of  loops  (the  value 


With  the  error  value  in  register  AR  and  the  beta  value  in  register 
MY1,  a  multiplication  of  these  two  values  is  specified.  The 
multiplication  is  performed  with  the  result  rounded  to  the  most 
significant  16-bits  with  an  unbiased  rounding  scheme.  This 
multifunction  instruction  also  specifies  the  fetch  of  the 
coefficient ,  Ck,  from  program  memory  and  the  data  value  A(n) 
from  data  memory.  Note  that  the  I  register  specifies  which 
address  register  is  used  as  a  pointer  and  the  M  register 
specifies  how  the  address  is  modified.  This  addressing 
capability  is  a  key  advantage  to  that  of  the  TMS320C50.  The 
multiplication,  the  program  memory  fetch  and  the  data  memory 
fetch  all  occur  in  a  single  cycle.  The  result  of  the  multiplication 
is  loaded  into  MF,  the  multiplier  feedback  register.  This  value 
is  used  immediately  in  the  next  cycle  where  a  multiplication  is 
performed  using  the  MXO  register  (holding  the  A(n)  term)  and 
the  MF  register  (holding  the  product  beta'error).  Rounding  is 
again  specified. 

The  counter  is  next  loaded  with  the  number  of  coefficients  to 
be  updated  and  a  DO  UNTIL  instruction  is  specified  to  set  up 
the  loop  logic  of  the  ADSP-21 01 .  The  core  instructions  of  the 
loop  calculate  the  result  Ck+1  and  also  set  up  the  calculations 
for  the  next  update.  Results  are  written  into  program  memory 
in  the  last  instruction  of  the  loop. 

Finally,  a  return  from  subroutine  instruction  is  specified  to 
return  control  back  to  the  calling  program. 


AR=DM (Error) ; 

MYl=Beta; 

MF=AR*MY1 (RND) ,  AY0=PM (14 ,  M4 )  ,  MX0=DM (10,  MO )  ; 
MR=MX0*MF (RND) ; 

CNTR-A; 

DO  ulbop  UNTIL  CE;   1  

AR=MR1+AY0,  AY0=PM(I4,M6) ,  MX0=DM ( 10 , Ml ) ; 
uloop:       PM(I4,M7) =AR,  MR=MX0*MF (RND) ; 
RTS; 


(Get  Err  Value  From  Mem  ) 
(Load  Beta  Value  ) 
(MF=Beta*Err,  Get  Ck,  A  ) 
(MR=Beta*Error*A(n)  ) 

(Set  Loop  Counter  ( 

{Tap  Update  Loop  ) 

(AR=Ck+Beta*Error*A(n)  ) 

(Store  CK+1,  Do  Next  ) 
(Return) 
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Performance  Benchmark 

The  code  section  shown  uses  the  looping  capabilities  of  the 
ADSP-2101  and  can  be  easily  modified  for  any  number  of 
coefficients  by  simply  changing  the  counter  value.  A  total  of 
nine  instructions  are  used  in  the  LMS  adaption  of  FIR  filter 
coefficients  where  each  instruction  executes  in  a  single 
processor  cycle.  The  two  instructions  in  the  core  of  the  loop  are 
repeated  for  each  coefficient  update.  Therefore,  the 
benchmark  for  the  number  of  cycles  required  for  this  routine 
can  be  generally  expressed  as 

7+n'2 ,  where  n  is  the  number  of  coefficients  to  be  updated. 

For  a  127  TAP  filter  (which  requires  127  coefficients),  an 
update  can  be  performed  in  7+127*2  =  261  cycles. 

TMS320C50  Code  Example  Description 

The  example  shown  implements  an  adaptive  update  of  FIR 
filter  coefficients.  The  formula  used  is  expressed  as 

aO(i  +  l)=aO(i)+Beta*err*X(i)  . 

This  is  the  same  LMS  adaptive  update  as  shown  for  the  ADSP- 
2101,  the  equation  has  just  been  stated  with  different  terms. 
The  program  segment  shown  is  described  in  the  book 
TMS320C5x  User' s  Guide  published  by  Texas  Instruments. 

This  is  an  example  of  looped  code  based  on  the  RTPB  (repeat 
block)  instruction.  Indirect  addressing  is  used  to  address  the 
coefficient  buffer  a(i)  and  the  input  data  buffer  x(i).  The 
auxiliary  registers  AR2  and  AR3  are  used  to  address  these  two 
buffers. 


The  LMS  adaption  routine  starts  by  loading  the  error  stored  in 
the  memory  location  "ERR"  into  the  TREGO  register  for 
multiplication.  The  LT  instruction  is  used  to  load  the  T  register. 
Once  the  error  is  loaded,  then  the  error  is  multiplied  by  the  Beta 
value  stored  in  the  memory  location  "BETA".  The  results 
(error'beta)  resides  in  the  P  register  of  the  multiplier.  Because 
of  the  inflexibility  of  the  TMS320C50  architecture,  the  multiplier 
result  must  be  moved  explicitly  into  the  accumulator.  PAC  is 
used  to  place  the  product  into  the  accumulator  for  further 
computation.  The  error'beta  term  can  then  be  rounded  to  1 6- 
bit  precision  with  the  instruction  "ADD  ONE.1 4"  and  stored  into 
a  memory  location  with  the  SACH  instruction.  The  rounding 
takes  an  extra  instruction.  On  the  ADSP-2101,  this  function 
can  be  performed  as  part  of  the  multiply. 

At  this  point  in  the  program,  the  loop  to  calculate  all  of  the  new 
coefficients  can  be  set  up.  There  are  127  coefficients  in  this 
example,  so  the  loop  counter  BRCR  can  be  initialized  with  the 
constant  126.  On  the  ADSP-2101 ,  the  programmer  loads  the 
loop  counter  directly  with  the  number  of  loop  iterations.  Two 
instructions  are  required  to  load  the  loop  counter,  LACC  and 
SAMM. 

Indirect  accesses  using  the  auxiliary  registers  AR2  and  AR3 
are  used  within  the  loop.  These  registers  can  be  initialized  with 
the  LAR  instruction  prior  to  entering  the  loop. 

The  error'beta  term  can  then  be  reloaded  back  into  the  T 
register  for  multiplication  with  the  tapped  delay  line  values.  The 
"LT  ERRF"  instruction  loads  this  value  and  the  "MPY  *-,AR2" 
performs  the  first  multiply  outside  of  the  loop.  This  reloading  of 


LT 

MPY 

PAC 

ADD 

SACH 


ERR 
BETA 

ONE,  14 
ERRF, 1 


T=Err 

P=Beta*Err (i) 
errf (i) =Beta*Err (i) 
Round  The  Results 
Save  errf  ( i) 


LACC 

SAMM 

LAR 

LAR 

LT 

MPY 


#126 
BRCR 

AR2,  #COEFFD 
AR3,  #LASTAP 
ERRF 
*-, AR2 


;  127  Coeffs  To  Update  In  The  Loop 
,-  Point  To  The  Coefficients 
;  Point  To  The  Data  Samples 

;  P=Beta*Err (i) *x(i-255) 


ADAPT 


LOOP 


RPTB 
ZALR 
MPY  A 


ZALR 
RETD 
APAC 
SACH 


LOOP-1 
*,  AR3 
*-,  AR2 


k ,  AR3 


;  For  1=0,  I<=126,  I  +  + 
;  Load  ACCH  With  Ak  (i) 
;  P=Beta*Err(i)*X(i-k-l), 
ACC=ak (i) +Beta*err (i) *x (i-k) 
;  Store  ak  (i  +  1) 

;  Final  Update  Last  Coefficient  aO  (i) 

;  Delayed  Return 

;  ACC=aO(i)+Beta*Err(i)*x(i) 

;  Save  aO  (i  +  1) 
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partial  results  is  reauired  because  of  the  inflexibility  of  the 

The  RTPB  instruction  performs  the  block  repeat.  As  an 
argument,  this  instruction  needs  the  end  of  loop  address  minus 
one.  The  three  instructions  ZALR,  MPYA  and  SACH  are 
executed  in  the  loop  1 27  times.  Notice  that  the  programmer 
must  label  the  instruction  after  the  last  instruction  in  the  loop. 
The  ADSP-2101  uses  a  much  more  understandable  looping 
format  where  the  last  instruction  in  the  loop  is  labeled.  Any  size 
loop  is  possible  on  the  ADSP-2101.  The  TMS320C50  block 
repeat  is  useful  only  for  loops  of  three  instructions  or  larger. 

After  completion  of  the  loop,  the  last  tap  is  updated  and  a 
delayed  return  is  executed.  A  delayed  return  is  necessary 


hecai.i^ofJhAjnstructioQ.oir«a)0^o,'oiL"d,v7jhiLTa{AS3?or;,it1, 
filter  coefficients.  All  instructions,  however,  will  not  execute  in 
a  single  processor  cycle.  The  three  instructions  in  the  core  of 
the  loop  are  repeated  for  each  coefficient  update.  Therefore, 
the  benchmark  for  the  number  of  cycles  required  for  this 
routine  can  be  generally  expressed  as 

17+n'3 ,  where  n  is  the  number  of  coefficients  to  be  updated. 

For  a  127  TAP  filter  (which  requires  127  coefficients),  an 
update  can  be  performed  in  17+127*3  =  398  cycles. 


I! 
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ONE  TECHNOLOGY  WAY  •  P.  O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Considerations  for  Selecting  a  DSP  Processor 
(ADSP-21020/ADSP-21010  vs.  TMS320C30) 

by  Dan  Ash 


INTRODUCTION 

Digital  signal  processing  algorithms  consist  of  multiplications 
and  additions.  In  signal  processing  algorithms,  additions  are 
necessary  to  accumulate  multiplier  products.  Most  general 
purpose  digital  signal  processors  sustain  single  instruction 
cycle  multiply/accumulate  throughput.  A  digital  signal 
processor  must  also  meet  the  following  requirements  to 
efficiently  process  sampled  signals  in  real  time. 

•  Efficient  access  of  dual  data  operands  to  sustain  single- 
cycle  multiply/accumulate  throughput 

•  Circular/modulo  data  addressing  to  restrict  index  registers 
to  a  range  of  data  addresses 

•  Hardware  zero  overhead  program  looping  to  eliminate  the 
overhead  of  branching  and  of  decrementing  loop  counters 
from  time  critical  loops 

•  Extended  arithmetic  dynamic  range  to  avoid  overflows 
when  accumulating  fixed-point  multiplier  products 


Many  of  today's  digital  signal  processors  satisfy  these 
requirements,  some  more  efficiently  than  others.  This 
application  note  compares  the  core  architecture  of  the  Analog 
Devices  ADSP-21 020  (Figure  1 )  and  the  ADSP-21 01 0  to  that 
of  the  TMS320C30  (Figure  2)  from  Texas  Instruments.  The 
ADSP-21 010  is  a  pin-compatible,  32-bit  only,  low-cost 
version  of  the  ADSP-21 020.  To  avoid  confusion,  most 
references  in  this  application  note  are  made  to  the  ADSP- 
21 020. 

The  three  sections  that  follow  discuss  the  four  requirements 
mentioned  emphasizing  the  differences  between  the  Analog 
Devices  ADSP-21 020  and  Texas  Instruments  TMS320C30 
digital  signal  processors.  The  arithmetic  section  discusses 
fixed-  and  floating-point  data  formats,  parallel  operation  of  the 
multiplier  and  ALU,  and  the  general  purpose  arithmetic 
capabilities  of  each  processor.  The  data  addressing  section 
discusses  the  various  addressing  modes  of  each  processor 


FLOATING  &  FIXED- 
POINT  MULTIPLIER, 
FIXED-POINT 
ACCUMULATOR 


32-BIT 
BARREL 
SHIFTER 


TT~ 


FLOATING  S 
FIXED-POINT 
ALU 


IT 


Figure  1.  Analog  Devices  ADSP-21 020 
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Figure  2.  Texas  Instruments  TMS320C30  CPU 

and  the  parallel  operation  of  the  arithmetic  units  with  data 
moves.  The  third  section  discusses  program  sequencing 
including  zero  overhead  program  loops,  conditional 
branching,  and  other  conditional  operations. 

A  comparison  of  assembly  language  syntax  and  a 
programming  example  (using  the  Fast  Fourier  Transform  or 
FFT)  are  presented  at  the  end  of  this  application  note. 

ARITHMETIC  CAPABILITIES 

Digital  signal  processors  must  be  able  to  multiply  data 
operands  and  accumulate  the  products  with  single-cycle 
throughput.  Some  calculations  require  fixed-point  arithmetic, 
others  require  the  dynamic  range  of  floating-point.  A  processor 
must  also  efficiently  perform  general  purpose  arithmetic  and 
logical  operations.  Independent  operation  of  the  ALU  and 
multiplier  allowsefficient  software  to  be  written. 

Data  Formats 

Both  the  ADSP-21 020  and  the  TMS320C30  support  fixed-  and 
floating-point  data  formats.  The  ADSP-21 020  supports  a  32- 
bit  and  a  40-bit  floating-point  data  format.  The  32-bit  floating 
point  conforms  to  the  IEEE  754/854  standard.  This  format 
specifies  a  24-bit  mantissa  and  an  8-bit  exponent.  The  40-bit 
format  includes  a  32-bit  mantissa  and  an  8-bit  exponent. 


The  TMS320C30  supports  a  32-bit  floating-point  data  format 
that  specifies  a  24-bit  mantissa  and  8-bit  exponent.  This  format 
does  not  conform  with  the  IEEE  standard. 

The  TMS320C30  converts  its  generic  floating-point  format  to 
IEEE  format  in  12  instruction  cycles  and  from  IEEE  to 
TMS320C30  format  in  23  instruction  cycles  worst  case.  The 
TMS320C30  ALU  operates  on  40-bit  floating-point  data,  while 
the  multiplier  is  limited  to  32-bit  floating-point  inputs. 

The  ADSP-21 020  multiplier  and  ALU  operate  on  32-bit  fixed- 
point  inputs  as  well  as  floating-point.  The  TMS320C30 
multiplier  only  supports  24-bit  fixed-point  inputs  while  the 
TMS320C30  ALU  operates  on  32-bit  fixed-point  data. 

The  ADSP-21 020  interfaces  to  either  32-bit  or  40-bit  data 
memory.  The  TMS320C30  interfaces  to  32-bit  data  memory. 

The  ADSP-21 020  supports  two  IEEE  rounding  modes;  round- 
to-nearest  and  round-toward-zero.  One  of  the  two  modes  is 
always  enabled  so  that  both  ALU  and  multiplier  results  are 
automatically  rounded  to  32-bit  or  40-bit  floating-point 
numbers.  TMS320C30  results  can  be  rounded  using  an 
instruction,  RND.  This  instruction  requires  one  instruction 
cycle  to  execute. 

The  ADSP-21 020  can  generate  interrupts  upon  ALU/multiplier 
fixed-point  overflow,  floating-point  overflow,  floating-point 
underflow,  or  floating-point  invalid  operation.  The 
TMS320C30  requires  conditional  branch  instructions  to  trap 
on  these  arithmetic  conditions. 

Arithmetic  Architecture 

Figure  3  shows  a  block  diagram  of  the  ADSP-21 020  register 
file  and  computational  units.  The  register  file  is  local  storage  for 
arithmetic  input  data  and  results.  It  consists  of  sixteen  40-bit 
registers  and  of  eight  data  ports.  In  one  instruction  cycle,  it  can 
perform  two  memory  transfers,  source  two  inputs  to  the  ALU, 
source  two  inputs  to  the  multiplier,  and  store  ALU  and  multiplier 
results.  The  two  memory  transfers  can  either  both  be  reads, 
both  writes,  or  one  read  and  one  write. 

The  register  file  consists  of  two  groups  of  eight  registers.  Each 
register  group  can  be  swapped  with  a  set  of  secondary 
registers  in  one  instruction  cycle.  The  secondary  registers  are 
typically  used  during  interrupts  or  subroutines  to  eliminate  time 
consuming  memory  transfers  of  register  file  data.  Use  of  the  1 6 
secondary  registers  provides  a  total  of  32  register  file  registers. 

Figure  4  shows  the  TMS320C30  register  file  and 
computational  units.  The  register  file  consists  of  eight  40-bit 
registers. 

The  register  file  can  source  two  inputs  to  the  multiplier  while  the 
two  ALU  inputs  are  fetched  directly  from  memory.  Conversely, 
the  inputs  to  the  ALU  can  be  sourced  from  the  register  file  while 
the  multiplier  inputs  are  fetched  directly  from  memory.  The 
ALU  and  multiplier  results  are  stored  into  the  register  file.  The 
TMS320C30  register  file  does  not  have  secondary  registers. 
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Figure  3.  ADSP-21020  Register  File/Computational  Units 
General  Purpose  Math 

Signal  processing  and  data  compression  algorithms  require 
subtractions,  division,  square  root,  minimum/maximum 
comparisons,  shifting,  and  logical  operations,  as  well  as 
multiply/accumulate  operations.  A  powerful  instruction  set 
implements  these  functions  directly.  Direct  implementation  of 
such  functions  reduces  programming  errors.  Single-cycle 
execution  of  such  functions  will  result  in  faster  execution  of 
algorithms. 

ALU 

The  ADSP-21 020  ALU  provides  a  complete  set  of  logical  and 
general  arithmetic  functions.  The  ALU  operates  on  32-bit 
fixed-point,  32-bit  IEEE  floating-point,  or  40-bit  floating-point 
data.  In  addition  to  performing  fixed-  and  floating-point  adds 
and  subtracts,  the  ADSP-21020  ALU  supports  many  non- 
traditional  processor  functions.  All  functions  execute  in  one 
instruction  cycle.  The  table  below  lists  those  functions. 


INSTRUCTION 

27020 

C30 

ABSX 

I  i  

X 

— I 

X 

-x 

x 

X 

(X+Y)/2 

X 

MIN(X.Y) 

X 

MAX(X.Y) 

X 

COMP(X,Y) 

X 

X 

CLIP  X  BY  Y 

X 

X+Y.X-Y 

X 

FLOAT  Y 

X 

X 

SCALE  X  BY  Y  ** 

X 

MANT  X  * 

X 

LOGB  X  * 

X 

FIXX* 

X 

X 

FIX  X  BY  Y  " 

X 

COPY  X  SIGN  TO  Y  * 

X 

ABS  (X+Y)  * 

X 

ABS  (X-Y)  * 

X 

SEED  1/X 

X 

SEED  1/SQRT(X) 

X 

x  and  y  are  floating  point 

x  is  fixed  point,  y  is  floating  poin 


The  ADSP-21020  ALU  supports  multiprecision  fixed-point 
additions  and  subtractions  preserving  carry  and  borrow 
respectively.  The  ADSP-21020  has  the  ability  to  generate  a 
seed  for  fast  floating-point  calculation  of  reciprocal  and 
reciprocal  square  root.  The  TMS320C30  requires  more 
instruction  cycles  to  evaluate  those  expressions. 


OPERATION 

21020 

C30 

1/X 

6  cycles 

35  cycles 

Y/X 

6  cycles 

36  cycles 

1/SQRT(X) 

9  cycles 

74  cycles 

SQRT(X) 

1 0  cycles 

39  cycles 

The  TMS320C30  ALU  satisfies  the  basic  requirements  of 
addition,  subtraction,  absolute  value,  negate,  and  logic 
functions.  The  TMS320C30  however  does  not  directly  support 
many  of  the  instructions  available  on  the  ADSP-21020.  The 
ADSP-21 020  maximum  instruction  R7=MAX(R5,R6)  is  coded 
on  a  TMS320C30  as: 

LDF  R6,R7 
CMPF  R5,R7 
LDFLT  R5,R7 


DDATA  BUS 


MUX 


SI 


\ 

\ 

REGISTER  1 

\ 

s 

\ 

\ 

REGISTER  2 

ALU 

MULTIPLIER 

32-BIT 

BARREL 

SHIFTER 

REGISTER 
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Figure  4.  TMS320C30  Register  File/Computational  Units 
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ALU  Summary 

FEATURE 

21020 

C30 

4.0-hit  flnatinn  nnint 
tu  ui i  iivauiiy  pun  11 

x 

x 

^?-hit  fixpri  noint 

x 

x 

Multiprecision  add/subtract 

x 

x 

1 VI 1 1  l/l  1  let  a/ civ     uu  jj/  oUait; 

x 

AHcfvxu^  ahc/y  

MUo^A+y^,aiJt>^A  y^ 

x 

Simultaneous  x+y,x-y 

X 

8-bits  accumulated  cmp  status 

X 

Seed  1/x,  seed  1/sqrt(x) 

X 

Multiplier 

The  ADSP-21 020  multiplier  operates  on  32-bit  fixed-point,  32- 
bit  floating-point,  or  40-bit  floating-point  inputs.  For  32-bit 
fixed-point  multiplies,  the  upper  32  bits  of  the  64-bit  product 
can  be  sent  to  a  data  register,  or  the  64-bit  product  can  be 
added  to  or  subtracted  from  one  of  two  80-bit  fixed-point 
accumulators.  Fixed-point  inputs  can  be  individually  chosen 
as  signed  or  unsigned,  fractional  or  integer.  Products  of  32-bit 
or  40-bit  floating-point  multiplies  must  be  sent  to  one  of  the 
sixteen  40-bit  data  registers. 

The  TMS320C30  multiplier  operates  on  24-bit  fixed-point  or 
32-bit  floating-point  inputs.  In  the  case  of  24-bit  fixed-point 
multiplication,  a  48-bit  product  is  generated.  Inputs  are 
assumed  to  be  signed  integers.  Fractional  fixed-point 
multiplication  is  not  supported.  The  32-bit  ALU  is  used  for 
accumulation  of  fixed-point  products.  A  fixed-point  product's 
magnitude  is  limited  to  32  bits  because  only  the  lower  32  bits 
of  the  product  are  written  to  the  destination  register.  Products 
of  32-bit  floating-point  multiplies  are  40  bit. 


Multiplier  Summary 

FEATURE 

21020 

C30 

32-bit  fixed-point  input 

X 

Unsigned  fixed-point  input 

X 

Fractional  fixed-point  input 

X 

80-bit  accumulators 

X 

32-bit  floating-point  inputs 

X 

X 

40-bit  floating-point  results 

X 

X 

40-bit  floating-point  inputs 

X 

Parallel  Operation  Of  ALU  And  Multiplier 

Since  many  DSP  algorithms  are  modeled  around  a  sum-of- 
products  calculation  (Figure  5),  a  DSP  microprocessor  must 
be  able  to  perform  multiply/addition  operations  efficiently.  The 
ADSP-21 020  and  the  TMS320C30  have  the  ability  to  multiply 
two  operands  and  add  (accumulate)  the  product  from  the 
previous  multiply  to  a  running  sum  simultaneously.  There  are 
other  cases  where  code  can  be  optimized  by  simultaneous 
operation  of  the  ALU  and  multiplier.  The  ALU  and  multiplier 
may  be  performing  completely  independent  tasks.  The  ADSP- 
21  020  instruction  set  allows  for  such  flexibility.  The  table  below 
summarizes  possible  combinations  of  ALU  and  multiply 
operations  on  both  the  ADSP-21 020  and  TMS320C30. 


M-l 

y(n)  =  I  a(k)x(n-k) 
K=0 

Figure  5.  Example  of  Sum-of-Products  Equation 


OPERATION 

21020 

C30 

Muliipiy/aau 

x 

X 

Multiply/subtract 

x 

X 

Multiply/add/subtract 

X 

Multiply/fixed— >float* 

X 

Mu  Itiply/f loat ->f ixed* 

X 

Multiply/avg* 

X 

Multiply/abs* 

X 

Multiply/max* 

X 

Multiply/min* 

X 

*  floating  point  only 

—  

Barrel  Shifter 

DSP  microprocessors  allow  multiple  bit  shifting  within  a  single 
instruction  cycle.  Bit  and  bit  field  manipulation  is  important  for 
general  purpose  I/O  functions  and  in  graphics  processing. 

The  ADSP-21 020  instruction  set  includes  many  bit,  bit  field, 
and  shift  operations.  The  ADSP-21 020  supports  either  left  or 
right  arithmetic,  logical,  and  rotational  shifts.  The  shift  amount 
can  originate  from  a  register  or  can  be  specified  in  the 
instruction  word.  Shift  results  can  be  logically  OR'd  with  other 
data  registers.  The  ADSP-21 020  supports  bit  test,  bit  set,  bit 
toggle,  and  bit  clear.  The  ADSP-21 020  can  extract  arbitrary  bit 
fields  from  one  word  and  deposit  the  result  anywhere  inside 
another  word.  The  ADSP-21 020  can  extract  the  exponent  from 
a  fixed-point  input.  It  can  count  either  leading  ones  or  leading 
zeros  in  a  fixed-point  input. 


The  TMS320C30  supports  only  a  subset  of  the  ADSP-21 020 
shifter  operations.  The  table  below  compares  the  instruction 

sets. 


OPERATION 

21020 

C30 

logical/arithmetic  shift 

X 

X 

rotate 

X 

X 

shift/or  with  register 

X 

bit  test/clr/toggle/set 

X 

x  tI(am 

field  extract/deposit 

X 

exponent  extract 

X 

count  leading  ones/zeros 

X 

*  requires  masks  stored  in  memory  to  accomplish 


DATA  ADDRESSING 

Data  addressing  pertains  to  how  data  is  read  from  memory  or 
how  data  is  written  to  memory.  In  order  to  perform  multiplies 
each  instruction  cycle,  new  input  data  must  also  be  made 
available  at  the  same  rate.  Most  DSP  microprocessors  satisfy 
this  requirement  of  two  data  accesses  in  a  single  cycle.  The 
basic  addressing  modes  for  most  microprocessors  are  direct 
and  register  indirect  addressing. 
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Direct  Addressing 

Direct  addressing  implies  that  the  data  address  is  specified 
directly  in  the  instruction.  The  ADSP-21020  instruction, 
R2=DM(0x  1 00000),  loads  data  register  R2  with  the  contents  of 
address  1024K  in  data  memory. 

A  48-bit  instruction  word  allows  the  ADSP-21020  to  directly 
address  the  full  24-bit  program  memory  or  32-bit  data  memory 
in  one  instruction  cycle  with  one  instruction  opcode.  Any 
general  purpose  or  data  register  can  be  loaded  from  memory 
or  stored  into  memory.  The  ADSP-21 020  can  also  perform  a 
single-cycle  ALU/multiplier  operation  and  direct  memory  read 
or  write  within  a  64  location  offset  conditionally.  Any  of  the  1 6 
index  registers  can  be  used  as  base  addresses  for  this  offset. 

The  TMS320C30  only  has  a  32-bit  instruction  word.  The 
TMS320C30  can  only  directly  address  data  within  64K  pages. 
The  page  base  address  is  preloaded  into  the  data  page  pointer 
(DP)  register.  There  is  only  one  data  page  pointer.  The 
TMS320C30  can  perform  either  an  ALU  or  multiply  instruction 
(but  not  both)  with  a  direct  memory  read  within  a  64K  page 
unconditionally.  A  direct  memory  write  combined  with  a 
compute  is  not  possible. 

Indirect  Addressing 

Indirect  addressing  uses  address  generator  registers  as 
address  sources.  The  ADSP-21020  instruction, 
PM(I9,M13)=R1 ,  writes  data  from  data  register  R1  into 
program  memory.  The  program  memory  address  is  provided 
by  index  register  19. 19  is  modified  at  the  end  of  the  cycle  by  the 
contents  of  modify  register  M13. 


The  ADSP-21020  has  two  data  address  generators  (DAGs). 
One  DAG  is  used  to  access  data  from  data  memory,  the  other 
allows  data  access  of  program  memory.  Each  DAG  (Figure  6) 
contains  eight  index  registers  and  eight  modify  registers.  Each 
index  register  can  be  used  to  address  a  different  area  in 
memory.  When  using  indirect  addressing,  the  programmer 
can  pre-update  or  post-update  the  designated  index  register 
with  any  of  the  eight  modify  registers  in  the  same  DAG.  The 
index  register  can  also  be  modified  by  a  6-bit  immediate  offset. 

The  ADSP-21020  can  perform  a  compute  (multiplier  +  ALU), 
and  two  memory  transfers  (two  reads,  two  writes,  or  one  read 
and  one  write)  in  a  single  instruction  cycle.  The  ADSP-21020 
can  perform  a  conditional  compute  (multiplier  +  ALU)  and  one 
memory  transfer  (read  or  write)  in  a  single  instruction  cycle. 

Each  index  register  has  a  corresponding  base  address  and 
length  register.  The  base  address  and  length  registers  allow 
one  to  confine  the  index  register  value  within  a  range  of  data 
addresses.  Each  time  the  index  register  is  modified,  the 
resultant  address  is  transparently  tested  by  the  DAG.  If  the 
resultant  address  is  out  of  range,  the  index  register  is  corrected 
with  the  modulo  address.  This  feature  is  referred  to  as  modulo 
or  circular  data  addressing.  The  base  and  length  registers 
allow  placement  of  circular  buffers  within  any  range  of 
addresses.  Since  the  ADSP-21020  contains  16  index,  base, 
and  length  registers,  16  circular  buffers  can  be  maintained 
simultaneously. 


BIT-REVERSE 
DAG1  only;  optional 




UPDATE 


V 


7 


BIT-REVERSE 
10  only:  optional 


DMA  BUS  (DAG1) 
PMA  BUS  (DAG2) 


T 


Figure  6.  ADSP-21020  Data  Address  Generator 
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Each  DAG's  eight  index,  base,  length,  and  modify  registers 
has  associated  alternate  registers  configured  in  two  groups  of 
four.  In  the  case  of  an  interrupt  or  subroutine,  one  or  both  of  the 
DAG's  register  groups  can  be  swapped  with  secondary 
registers  saving  the  overhead  of  register  to  memory  transfers 
for  a  context  save.  The  secondary  DAG  registers  make 
available  an  additional  16  circular  buffers. 

The  TMS320C30  also  supports  indexed  addressing.  It  has 
eight  24-bit  address  registers  AR7-AR0.  These  eight  registers 
can  be  used  to  address  different  areas  of  memory.  There  are 
no  alternate  address  registers.  The  TMS320C30  can  fetch  two 
operands  from  memory  in  a  single  cycle  using  two  of  the  eight 
address  registers.  The  address  registers  can  be  pre  or  post- 
modified  by  0,  1,  or  one  of  two  pre-programmed  modify 
registers  (IR1  ,IR0).  Address  registers  can  be  modified  by  an  8- 
bit  offset. 

The  TMS320C30  can  perform  a  compute  (multiplier  +  ALU) 
and  two  memory  reads.  It  can  perform  a  single  compute 
(multiplier  or  ALU)  with  both  one  memory  read  and  write. 

The  TMS320C30  supports  circular  buffers,  but  there  is  only 
one  length  register  (BK).  Therefore,  if  multiple  circular  buffers 
are  used  in  one  routine,  they  must  all  be  the  same  length  or  the 
BK  register  must  be  modified  for  each  circular  data  access. 
Circular  buffers  must  be  placed  on  the  next  power  of  two 
boundary  greater  than  the  buffer  length. 

Bit-Reversed  Addressing 

Bit-  reversed  addressing  is  necessary  for  proper  addressing  of 
data  for  the  FFT.  Both  the  ADSP-21 020  and  the  TMS320C30 
support  bit-reversed  addressing.  Only  the  ADSP-21 020 
supports  read  back  of  bit-reversed  addresses.  Therefore, 
efficient,  in-place  bit-reversal  is  available. 


Dafa  Addressing  Summary 

FEATURE 

21020 

C30 

Direct  addressing  (read  or  write) 

32-bit 

16-bit 

Direct  read,  one  compute 

6-bit  * 

16-bit " 

Direct  read,  two  computes 

6-bit  * 

n/s 

Direct  write,  one  compute 

6-bit  * 

n/s 

Direct  write,  two  computes 

6-bit  * 

n/s 

Number  of  index  registers 

16 

8 

Number  of  modify  registers 

16 

2 

Number  of  length  registers 

16 

1 

Number  of  base  address  registers 

16 

0 

Secondary  index,  modify,  length, 

X 

base  registers 

Two  indirect  reads,  two  computes 

X 

X 

Indirect  read  &  write,  one  compute 

X 

X 

Indirect  read  &  write,  two  computes 

X 

Two  indirect  writes,  no  compute 

X 

X 

Two  indirect  writes,  one  compute 

X 

Two  indirect  writes,  two  computes 

X 

Compute,  modify  by  immediate  offset 

6-bit 

8-bit  2 

Bit-reversed  addressing 

X 

X 

*    conditional  or  unconditional  execution 


**  two  operand  compute  only  (regl  =reg1  +src) 
n/s  not  supported 


PROGRAM  SEQUENCING 

An  essential  part  of  any  microprocessor  is  the  program 
sequencer.  It  is  responsible  for  determining  the  program  flow. 
In  most  cases,  programs  flow  linearly  from  one  address  to  the 
next  sequential  memory  location.  Branching  is  a  form  of 
program  sequencing  where  the  program  jumps  conditionally 
or  unconditionally  to  another  address.  Subroutine  calls  are 
similar  to  branches,  but  store  the  pre-call  address  in  order  to 
return  later.  Interrupts  also  take  advantage  of  the  program 
sequencer.  A  DSP  unconditionally  branches  to  a  dedicated 
program  memory  address  upon  interrupt.  Each  interrupt  has  a 
reserved  memory  location.  Zero  overhead  program  looping  is 
another  feature  common  to  both  the  ADSP-21 020  and 
TMS320C30. 

Both  the  ADSP-21 020  and  TMS320C30  have  these  basic 
program  sequencing  capabilities.  There  are  subtle  differences 
that  make  programming  easier  and  more  efficient  with  the 
ADSP-21 020. 

Branching 

Branching  is  necessary  to  change  direction  of  program  flow. 
Branch  conditions  are  typically  based  on  the  arithmetic  results 
of  a  bit  operation,  a  subtraction  of  two  inputs,  or  perhaps  an 
overflow.  Both  the  ADSP-21 020  and  the  TMS320C30  can 
branch  upon  floating-point  overflows  or  underflows. 

The  ADSP-21 020  has  the  ability  to  branch  on  either 
downcounter  status  or  on  the  level  of  any  of  four 
programmable  input  pins.  It  also  has  separate  status  bits  for 
the  ALU  and  multiplier.  The  ADSP-21 020  also  has  complex 
conditional  instructions  where  an  arithmetic  operation  and  a 
data  move  can  all  be  executed  on  one  condition. 

Branch  addresses  can  either  be  specified  directly  in  the 
instruction  word  or  can  be  indirectly  specified  through  an  index 
register.  The  ADSP-21 020  allows  a  full  24-bit  program  address 
to  be  specified  on  any  branch  instruction.  The  TMS320C30 
only  allows  full  24-bit  addresses  to  be  specified  on 
unconditional  branches.  The  TMS320C30  is  limited  to  a  +/- 
32K  (16-bit)  offset  from  the  conditional  branch  address. 

Both  the  ADSP-21 020  and  TMS320C30  support  indirect 
branch  instructions  where  an  index  register  is  the  address 
source.  Using  an  index  register  allows  a  programmer  to 
change  a  branch  address  during  program  execution.  On  the 
ADSP-21 020,  indirect  jumps  are  pre-modified  and  execute  in 
one  instruction  cycle.  This  is  useful  for  implementing  jump 
tables.  The  TMS320C30  does  not  have  a  pre-modified  jump 
feature. 

Pipeline  Delays 

When  the  ADSP-21 020  fetches  an  instruction  from  memory, 
that  instruction  is  not  executed  until  two  cycles  later.  The 
ADSP-21 020  has  a  three-level  (fetch,  decode,  execute) 
instruction  pipeline.  When  a  branch  is  taken,  the  two 
instructions  fetched  after  the  branch  are  in  the  pipeline  waiting 
to  be  executed.  When  branching,  the  ADSP-21 020  executes 
two  NOPs  instead  of  the  two  pipelined  instructions.  If  the 
programmer  specifies  a  delayed  branch,  the  ADSP-21 020 
executes  the  two  pipelined  instructions.  Eliminating  the  NOP 
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overhead  allows  the  programmer  to  write  more  efficient  code. 
The  TMS320C30  has  a  delayed  branch  feature,  but  it  has  a 
four-level  instruction  pipeline.  Non-delayed  branches  require 
four  cycles  to  execute  on  the  TMS320C30. 

Subroutine  Calls  And  Interrupts 

When  a  subroutine  call  is  made,  the  return  address  is  stored 
on  the  program  counter  (PC)  stack.  The  ADSP-21020 
subroutine  call  is  a  single-cycle,  single-operand  instruction 
and  is  made  using  a  direct  or  indirect  address.  Subroutine  calls 
on  the  ADSP-21020  can  be  delayed  allowing  the  two 
subsequent  instructions  to  be  executed.  The  TMS320C30  only 
supports  non-delayed  subroutine  calls. 

Interrupts 

Interrupts  are  generated  by  internal  or  external  events.  Both 
the  ADSP-21 020  and  the  TMS320C30  have  external  interrupt 
input  pins  which  generate  interrupts  upon  high-low  signal 
edges  or  in  the  presence  of  a  low-level  input.  Both  processors 
have  internal  timers  to  generate  periodic  software  interrupts. 

The  ADSP-21020  responds  (vectors)  to  an  interrupt  with  no 
more  than  four  cycles  of  latency.  An  interrupt  mask  register 
allows  interrupts  to  be  individually  enabled  by  setting  bits. 
There  is  one  bit,  IRPTEN,  which  allows  masking  of  all 
interrupts.  Each  interrupt  has  eight  reserved  memory 
locations.  Therefore,  a  delayed  branch  can  be  placed  at  the 
first  interrupt  vector  address.  There  is  also  a  five-level  status 
stack.  Anytime  an  interrupt  occurs,  arithmetic,  mode,  and 
interrupt  mask  status  are  automatically  pushed  onto  the  status 
stack.  Status  can  be  manually  pushed  onto  this  stack  for 
subroutines.  It  is  sometimes  necessary  that  higher  priority 
interrupts  remain  unmasked  during  lower  priority  interrupt 
routines.  ADSP-21 020  has  a  mode  which  allows  such  interrupt 
nesting.  The  ADSP-21020  has  a  special  instruction,  IDLE, 
which  allows  the  processor  to  wait  for  interrupts  in  a  low  power 
mode.  If  an  interrupt  occurs  while  in  IDLE,  the  processor  stores 
the  address  of  the  instruction  after  IDLE  as  the  interrupt  return 
address  and  jumps  to  the  interrupt  vector. 

The  ADSP-21 020  has  four  external  interrupt  input  pins  (IRQ3- 
0).  It  has  several  internally  generated  interrupts.  An  interrupt  is 
generated  any  time  the  PC,  status,  or  loop  stacks  overflow. 
The  32-bit  internal  timer  can  be  made  either  a  high  priority  or 
low  priority  interrupt.  Interrupts  can  be  generated  anytime 
index  registers  17  or  11 5  have  modulo/circular  buffer  overflows. 
Interrupts  can  be  generated  upon  fixed-point  result  overflow, 
floating-point  result  overflow,  floating-point  result  underflow,  or 
upon  invalid  floating-point  input.  The  ADSP-21020  has  eight 
user  software  interrupts  which  can  be  activated  by  setting  their 
respective  bits  in  the  interrupt  latch  register  (IRPTL).  These  are 
useful  for  creating  multitasking  software. 

The  TMS320C30  can  vector  to  interrupts  with  no  more  than 
five-cycle  latency.  All  interrupts  can  be  masked  individually  or 
can  all  be  masked  by  one  master  bit  (GIE).  Each  interrupt  only 
has  one  memory  location.  Therefore,  a  four-cycle,  non- 


delayed  branch  to  an  interrupt  subroutine  must  be  placed  at 
the  interrupt  vector  address.  Total  interrupt  latency  is  nine 
instruction  cycles.  The  TMS320C30  does  not  have  a  status 
stack.  Arithmetic  and  mode  status  must  be  manually  saved 
when  an  interrupt  occurs.  An  IDLE  instruction  is  available  while 
waiting  for  interrupts. 

The  TMS320C30  has  four  external  interrupt  input  pins  (INT3- 
0).  Internal  interrupts  can  be  generated  by  both  internal  timers. 
The  TMS320C30  can  not  generate  interrupts  upon  arithmetic 
conditions  or  address  register  modulo  overflows.  The 
TMS320C30  has  user  software  interrupt  capability. 

Subroutine  And  Interrupt  Returns 

At  the  end  of  a  subroutine  or  an  interrupt  routine,  program 
control  has  to  be  restored  to  the  calling  routine.  Return 
instructions  restore  the  pre-subroutine  or  pre-interrupt 
program  address.  The  ADSP-21020  supports  conditional 
subroutine  or  interrupt  returns  with  an  optional  compute. 
Delayed  branch  returns  allow  the  two  instructions  after  the 
return  to  be  executed.  The  TMS320C30  supports  conditional 
subroutine  or  interrupt  returns.  It  does  not  support  delayed 
branch  returns  which  incur  three  cycles  of  overhead  after  each 
return. 

Zero  Overhead  Looping 

Most  digital  signal  processing  algorithms  are  vector 
operations.  Due  to  their  repetitive  nature,  these  vector 
operations  are  usually  coded  into  short  program  loops.  On 
most  microprocessors,  program  loops  require  a  branch 
instruction  at  the  end  of  the  loop  for  testing  the  loop  condition. 
Both  the  ADSP-21020  and  the  TMS320C30  support  zero 
overhead  looping.  This  feature  allows  the  end  loop  address 
and  loop  condition  to  be  set  up  before  entering  the  loop. 

The  ADSP-21020  can  support  six  levels  of  nesting  on  zero 
overhead  program  loops.  This  is  accomplished  with  a  six-level 
loop  stack.  There  is  a  six-  level  counter  stack  so  that  each  loop 
can  have  its  own  32-bit  loop  counter.  The  ADSP-21020  can 
ternimate  a  loop  on  loop  counter  status,  arithmetic  conditions, 
flag  input  pin  states,  bit  test  results,  or  unconditionally.  The 
loop  abort  (LA)  branch  feature  allows  conditional  branch  out  of 
a  loop  and  automatically  have  the  stacks,  which  maintain  the 
loop,  popped. 

The  TMS320C30  only  supports  one  zero  overhead  loop.  Zero 
overhead  loop  nesting  is  not  supported.  Loops  can  only  be 
terminated  on  loop  counter  expired  status.  If  the  required  loop 
condition  is  arithmetic,  the  loop  requires  a  branch  instruction 
and  is  not  zero  overhead.  Loops  are  maintained  by  the  RS 
(repeat  start  address  register),  RE  (repeat  end  address 
register),  and  RC  (repeat  count  register).  If  the  main  program 
is  executing  a  zero  overhead  loop  and  an  interrupt  occurs,  the 
interrupt  routine  must  save  the  loop  control  registers  (RS,  RE, 
RC)  before  initializing  its  zero  overhead  loop  if  the  interrupt 
routine  uses  zero  overhead  looping.  The  loop  control  registers 
must  be  restored  before  returning  to  the  main  program. 
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loop  must  be  aborted,  the  RC  register  must  be  loaded  with  zero 
after  the  branch  is  taken. 

Cache  Memory 

Both  the  ADSP-21020  and  TMS320C30  have  on-chip 
instruction  cache  memories  to  minimize  bottlenecks  caused 
when  both  instructions  and  data  must  be  accessed  from  the 
same  external  memory  space. 

The  ADSP-21 020  has  a  32-word  instruction  cache.  The  cache 
is  two-way,  set  associative.  It  only  stores  instructions  which 
cause  a  bus  conflict.  Put  another  way,  the  ADSP-21 020  cache 
memory  only  stores  the  last  32  instructions  which  require 
program  memory  data  access.  In  the  case  of  loops  which 
contain  more  than  32  program  memory  data  accesses,  the 
cache  can  be  frozen.  The  cache  can  be  disabled  allowing  use 
of  a  logic  analyzer  to  trace  all  instructions  executed. 

The  TMS320C30  has  a  64-word  instruction  cache.  This  cache 
stores  all  of  the  past  64  instructions  fetched  externally  no 
matter  if  they  cause  a  bus  conflict  or  not.  For  loops  of  length 
greater  than  64  instructions,  the  TMS320C30  cache  can  be 
frozen.  In  the  case  of  the  ADSP-21 020,  loops  greater  than  64 
instructions  can  exist  without  bus  conflict  as  long  as  no  more 
than  32  of  the  instructions  cause  a  bus  conflict.  The 
TMS320C30  can  freeze,  disable,  or  clear  its  cache  memory. 


^luyiauMMci  cA(jiiumy  utiwaies  wan  stare  values. 

The  access  time  requirements  of  external  memory  for  the 
ADSP-21020  are  not  as  stringent  as  those  for  the 
TMS320C30.  An  ADSP-21020  with  a  cycle  time  of  50  ns 
requires  a  memory  access  time  of  35  ns. 

The  TMS320C30  is  not  as  efficient  with  external  memory 
accesses.  A  write  to  external  memory  always  takes  two  cycles 
and  in  certain  cases  a  read  from  external  memory  takes  two 
cycles. 

ASSEMBLY  LANGUAGE 

For  more  efficient  operation,  digital  signal  processors  can  be 
programmed  in  assembly  language.  Assembly  language 
syntax  usually  takes  the  form  of  two,  three,  or  four  letter 
mnemonics  followed  by  a  register  or  immediate  data  field.  The 
following  is  an  example  of  a  TMS320C30  assembly  language 
instruction: 

SUBI3  R7,R2,R0 

Translated,  this  instruction  performs  an  integer  subtraction  of 
R0  =  R2-R7  where  R0,  R2,  and  R7  are  internal  data  registers. 
The  ADSP-21020  has  a  much  simpler,  algebraic  assembly 
language  syntax.  The  same  instruction  programmed  on  the 
ADSP-21020  is: 


Program  Sequencing  Summary 
FEATURE  21020  C30 


Single-cycle/operand  branching  x 
with  24-bit  address 

Pre-modified  indirect  branching  x 

Conditional  branch/subroutine  cal  x 
with  compute 

Instruction  pipeline  levels  3 

Delayed  branch  x 

Delayed  branch  subroutine  calls  x 

Memory  locations  at  interrupt  vector  8 

Interrupts  on  index/address  x 
register  modulo  overflow 

Interrupts  on  arithmetic  status  x 

Delayed  branch  returns  x 

Zero  overhead  loop  nesting  levels  6 

Conditional  branch  with  loop  abort  x 

Status  stack  x 

Instruction  cache  x 


x 


R0  =  R2  -  R7; 

If  one  programmer  is  trying  to  decipher  another's  code,  the 
ADSP-21020  assembly  language  syntax  is  easier  to 
understand. 

The  following  comparison  illustrates  how  easy  it  is  to  use  the 
ADSP-21020  assembly  language. 

FUNCTION  ADSP-21020  TMS320C30 

store  reg  direct  dm<0x98au=r2;         stf  R2,@98Aih 

load  reg  indirect        r3=dmu4.mii ;  ldf  •ar4++uri>,r3 

parallel  mult/add      ri2-r2*r«,  mpyfs  r7,r4,ro  ii 

+  data  move         r8=rb+ri2,  addf3  --ar3,*ar5-(1),r3 

R2-DM(I3,M1), 
R4=PM(I12,M8)  ; 
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An  example  of  zero  overhead  program  loop  initialization  is 
another  case  of  the  ADSP-21020  assembly  language's 
legibility. 

LCNTR=99,  DO  fir_lup  UNTIL  LCE; 

Here  is  an  example  of  zero  overhead  loop  initialization  on  the 
TMS320C30. 

LDI     99,  RC 
RPTS  fir_lup 

BENCHMARKS 

All  digital  signal  processors  have  the  ability  to  execute  FIR 
filters  at  one  instruction  cycle  per  filter  tap.  Algorithms  which 
require  general  purpose  features  and  instructions  intended  for 
DSP  algorithms  can  be  used  to  demonstrate  the  differences 
between  one  processor  and  another.  One  example  is  the  Fast 
Fourier  Transform  (FFT).  The  table  below  compares  a  1 024- 
point  complex,  radix-2  FFT  on  the  ADSP-21 020,  ADSP-21 01 0 
and  TMS320C30. 


ADSP-21020 

ADSP-21010 

TMS320C30 

(40  ns) 

(80  ns) 

(50  ns) 

21314  cycles 

21314  cycles 

50660  cycles 

0.852  ms 

1 .705  ms 

2.533  ms 

The  ADSP-21 020's  FFT  core  loop  (FFT  butterfly)  executes  in 
four  instruction  cycles,  while  the  TMS320C30's  executes  in 
nine.  The  ADSP-21 020's  assembly  syntax  is  also  more 
legible. 


ADSP-21020  Radix-2  Complex  FFT  Butterfly  (4  instructions) 

R8=R1*R6,  R14=R11-R14, 

DM(I2,M0)=R10,  R9=PM(I11,M8)  ; 
R11=R1*R7,   R3=R9+R14,  R9=R9-R14, 

DM(I2,M0)=R13,   R7=PM(I8,M8) ; 
R14=R0*R6,  R12=R8+R12, 

R8=DM(I0,M0) ,  PM(I10,M10)=R9; 
R12=R0*R7,   R13=R8+R12,  R10=R8-R12, 

R6=DM(I0,M0) ,  PM(I10,M10)=R3; 

TMS320C30  Radix-2  Complex  FFT  Butterfly  (9  instructions) 


subf 

*ar2, *ar0,r2 

subf 

*+ar2,*+ar0,rl 

ropy 

r2,r6,r5 

I  I  addf 

*+ar2,*+ar0,r3 

mpyf 

rl,*+ar4(IRl),R3 

I  I  stf 

r3,*+ar0 

subf 

r0,r3,r4 

mpyf 

rl,r6,r0 

I  I  subf 

*ar2,*ar0,r3 

mpyf 

r2,*+ar4 (IR1)  ,r3 

I  I  stf 

r3,*arO++(IRO) 

addf 

r0,r3,r5 

stf 

r5,*ar2++(IR0) 

I  I  stf 

r4,*+ar2 

The  key  to  the  ADSP-21 020's  efficiency  lies  in  its  ability  to 
simultaneously  generate  the  sum  and  difference  of  the  same 
two  inputs,  perform  a  multiply,  store  one  number  in  memory, 
and  fetch  another  from  memory  all  in  a  single  cycle.  The 
TMS320C30  can  not  store  data  to  memory  while  performing 
both  a  multiply  and  an  add.  The  TMS320C30  can  not 
simultaneously  add  and  subtract  the  same  two  inputs. 

SUMMARY 

Digital  signal  processors  must  meet  three  basic  requirements: 

1 .  Perform  multiply/accumulate  operations  at  a  single-cycle 
throughput  rate 

2.  Maintain  circular  data  buffers 

3.  Maintain  loops  with  zero  overhead 

Floating-point  digital  signal  processors  such  as  the  ADSP- 
21  020  and  TMS320C30  meet  those  requirements  differently. 
As  these  products  evolve,  the  core  architectures  will  remain 
the  same  in  order  to  retain  upward  compatibility.  Therefore,  the 
advantages  and  disadvantages  mentioned  above  should  be 
carefully  analyzed. 

This  application  note  can  not  cover  all  topics  in  detail.  Consult 
the  ADSP-21020  User's  Manual,  ADSP-21020  Development 
Software  Manual,  ADSP-21 020  data  sheet,  and  ADSP-21 01 0 
data  sheet  for  more  detailed  information. 

Analog  Devices'  DSP  bulletin  board  system  (BBS)  is  available 
to  the  public  for  benchmarks,  application  notes  and  general 
product  information. 

Analog  Devices  Bulletin  Board  System 
8  Data  Bits,  1  Stop  Bit,  No  Parity 
300/1200/2400  Baud 
(61 7)461  -4258— On-Line  24  Hours 
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A  User's  Guide 
IC  Instrumentation  Amplifiers 

by  Jeffrey  R.  Riskin 


INTRODUCTION 

It  is  traditional  to  begin  a  discussion  of  instrumentation  am- 
plifiers by  saying  that  an  IA  is  not  an  operational  amplifier. 
As  obvious  as  this  statement  is  to  the  informed  user,  and  as 
awkward  as  a  description  by  exclusion  may  be,  such  an  ap- 
proach is  inevitable  and  perhaps  necessary.  When  an  engineer 
needs  a  signal  conditioning  gain  block,  the  first  thought  that 
springs  to  mind  is  the  nearly  ultimate  flexibility  provided 
by  the  currently  available  assortment  of  low-cost  ICop  amps. 
It  may  well  be  that  an  op  amp  will  suffice  as  an  element  in 
a  given  gain  block,  but  in  demanding  applications,  op  amp 
circuitry  will  often  require  extensive  and  expensive  addi- 
tional circuit  elements,  specialized  manufacturing  and/or 
test  instrumentation  together  with  highly  skilled  personnel 
to  make  it  all  work.  The  purpose  of  this  article  is  to  explain 
when  and  where  an  instrumentation  amplifier  may  best  be 
employed  and  where  its  unique  virtues  give  it  an  advantage 
over  the  more  flexible  op  amp. 

WHAT  IS  AN  INSTRUMENTATION  AMPLIFIER? 

An  instrumentation  amplifier  is  a  precision  differential  volt- 
age gain  device  that  is  optimized  foroperation  in  an  environ- 
ment hostile  to  precision  measurement.  The  real  world  is 
characterized  by  deviations  from  the  ideal;  temperature 
fluctuates,  electrical  noise  exists,  and  voltage  drops  caused 
by  current  through  the  resistance  of  leads  from  remote  lo- 
cations are  dictated  by  the  laws  of  physics.  Furthermore, 
real  transducers  rarely  exhibit  zero  output  impedance  and 
nice  neat  zero-to-ten-volt  ranges.  Induced,  leaked  or  coupled 
electrical  interference  (noise)  is  always  present  to  some  ex- 
tent. In  brief,  even  the  best  "cookbook"  must  be  taken 
with  a  grain  of  salt. 

Instrumentation  amplifiers  are  intended  to  be  used  whenever 
acquisition  of  a  useful  signal  is  difficult.  lA's  must  have  ex- 
tremely high  input  impedances  because  source  impedances 
may  be  high  and/or  unbalanced.  Bias  and  offset  currents  are 
low  and  relatively  stable  so  that  the  source  impedance  need 
not  be  constant.  Balanced  differential  inputs  are  provided 
so  that  the  signal  source  may  be  referenced  to  any  reason- 
able level  independent  of  the  IA  output  load  reference. 
Common  mode  rejection,  a  measure  of  input  balance,  is 
very  high  so  that  noise  pickup  and  ground  drops,  character- 
istic of  remote  sensor  applications,  are  minimized. 


Care  is  taken  to  provide  high,  well-characterized  stability  of 
critical  parameters  under  varying  conditions,  such  as  chang- 
ing temperatures  and  supply  voltages.  Finally,  all  compo- 
nents that  are  critical  to  the  performance  of  the  I A  are  in- 
ternal to  the  device  (with  the  exception  of  a  single  gain- 
determining  resistor  or  resistor-pair).  The  manufacturer  may 
then  optimize,  characterize  and  guarantee  the  specifications, 
while  the  user  may  in  turn  depend  on  a  certain  level  of  per- 
formance without  having  to  provide  his  own  precision  appli- 
cation components  or  design  expertise. 

The  precision  of  an  IA  is  provided  at  the  expense  of  flexibil- 
ity. By  committing  to  the  one  specific  task  of  amplifying 
voltage,  the  IA  manufacturer  may  optimize  performance  in 
this  area.  An  IA  is  not  intended  to  perform  integration,  dif- 
ferentiation, rectification,  or  any  other  non-voltage-gain 
function;  although  possible  with  an  IA,  these  tasks  are  best 
left  to  operational  amplifiers. 

To  put  an  instrumentation  amplifier  to  work,  the  potential 
user  does  not  require  an  intimate  knowledge  of  its  internal 
construction.  Figure  1,  a  functional  diagram  of  a  basic  IA, 
provides  sufficient  information  for  many  applications. 


DC  POWER 
SUPPLIES 


Figure  1.  Basic  Instrumentation  Amplifier 
Functional  Diagram 


The  two  inputs  shown  permit  direct  interface  to  "floating" 
signal  sources.  The  IA,  being  truly  differential,  detects  only 
the  difference  in  voltage  between  its  inputs;  any  common- 
mode  signals  (signals  present  on  both  inputs),  such  as  noise 
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and  voltage  drops  in  ground  lines,  are  subtracted  and  can- 
celled at  the  inputs  before  amplification  takes  place.* 

A  single  resistor  or  resistor-pair  is  used  to  program  the  IA 
for  the  desired  gain.  The  manufacturer  will  provide  a  trans- 
fer function  or  gain  equation  that  allows  the  user  to  calcu- 
late the  required  values  of  resistance  for  a  given  gain.  Special 
requirements  for  that  resistor  or  resistors,  if  any,  are  also 
spelled  out  by  the  manufacturer. 

The  output  is  single-ended  and  is  designed  to  drive  ground- 
referenced  loads  as  normally  found  in  measurement  equip- 
ment. The  load  reference  is  common  to  the  power  supply 
return  although  careful  consideration  must  be  given  to  the 
overall  grounding  system  (more  on  that  later). 

Of  course,  power  must  be  supplied  to  the  IA;  as  with  op 
amps,  this  is  normally  a  differential  balanced  voltage  that 
may  be  varied  over  a  specified  range. 

Most  instrumentation  amplifiers  provide  some  means  of  ad- 
justing offset  voltage  (that  dc  error  voltage  present  at  the 
output  when  both  inputs  are  grounded).  This  adjustment  is 
usually  made  by  varying  the  setting  of  an  external  potentio- 
meter. Sense  and  reference  terminals  allow  remote  sensing 
of  output  voltage  so  that  effects  of  IR  drops  and  ground 
drops  may  be  minimized.  For  low  current  non-remote  loads, 
the  sense  terminal  may  be  tied  directly  to  the  output  while 
the  reference  terminal  may  be  tied  to  power  supply  common. 
There  are  other  uses  for  sense  and  reference  that  will  be 
discussed  in  the  applications  section  of  this  article. 

INSIDE  AN  INSTRUMENTATION  AMPLIFIER 

While  there  are  many  ways  of  designing  an  instrumentation 
amplifier,  most  such  designs  can  be  classified  into  one  of 
two  categories.  The  most  common  configuration  consists  of 
a  number  of  interconnected  operational  amplifiers  and  a 
precision  resistor  network.  This  technique  is  popular  in 
modular  and  hybrid  instrumentation  amplifiers  where  most 
practical  designs  utilize  a  minimum  number  of  components. 

In  the  other  category  are  designs  that,  instead  of  employ- 
ing op  amps,  use  fundamental  active-circuit  elements, 
such  as  differential  circuits  and  controlled  current  sources 
and  reflectors;  this  eliminates  all  unnecessary  or  redun- 
dant features  and  tends  to  minimize  active  device  (tran- 
sistor) count  and  decrease  the  dependence  upon  accurate 
resistor  matching.  This  technique  is  most  often  employed 
in  the  design  of  monolithic  lA's  where  cost  is  inversely 
proportional  to  chip  size.  Some  older  modular  lA's  also 
use  this  technique  because  suitably  precise  IC  op  amps 
have  only  recently  become  readily  available.  Newer  mod- 
ular lA's  may  also  use  this  technique  because  nonlinearity 
tends  to  be  lower  at  high  gains,  although  some  sacrifice 
of  linearity  may  exist  at  lower  gains. 

Op  Amp  Based  lA's 

The  most  simple  (and  crude)  method  of  implementing  a  dif- 
ferential gain  block  with  op  amps  is  shown  in  Figure  2. 


VOUT 


Figure  2.  Differential  Input  Voltage  Gain  Block 
(Simple  Sub  tractor) 

In  this  circuit,  an  expressions  for  V0UT  can  be  derived  by 
superposition. 

The  output  for  VIN+  (V,N"  grounded)  is: 

»..-v(ir^)(=^) 

The  output  for  V!N   (V|N+  grounded)  is: 

v02  =  -v,n-(^) 

By  superposition: 


(1) 


(2) 


V0  =  V0,  +  V02 
If  R2  =  R4.  Ri  =  R3: 


V0=  (VIN+-VIN-')  p£ 


(4) 


Thus,  we  have  created  a  simple  differential  voltage  ampli- 
fier. The  input  impedances,  however,  are  low  and  unequal. 
Furthermore,  all  4  resistors  have  to  be  carefully  ratio- 
matched  to  maintain  good  common  mode  rejection: 


^OUT  CM  =  VOUT  for  VIN+  =  VIN" 


If  we  are  looking  for  a  gain  of  1,  all  resistors  will  be  equal. 
For  a  0.1%  mismatch  in  just  one  of  the  resistors: 


Ri  -  R3  -  R4  ~  R 
R2  =0.999R 


"O  CM 


m  [(-W)  (")-(£)] 


=  0.0005V|N 


(6) 


*For  applications  involving  extremely  high  common-mode  voltages, 
or  requiring  complete  galvanic  isolation,  isolation  amplifiers  should 
be  used.  Analog  Devices  manufactures  a  complete  line  of  single  and 
multi-channel  isolators. 


CMR  =  66dB 


(Note  that  if  the  source  resistance  is  not  low  and 
balanced,  gain  and  CMR  will  be  further  degraded.) 
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is  not  used  in  true  instrumentation  amplifier  designs. 

The  two-amplifier  approach  shown  in  Figure  3  overcomes 
some  of  the  weaknesses  inherent  in  the  simple  subtractor 
of  Figure  2. 

i  1 


-O  V0UT 


vout-  .  +  fl;  (.  2R2 


Figure  3.  'Two-Amplifier"  Instrumentation  Amplifier 

Input  resistance  is  high,  thus  permitting  the  signal  sources 
to  have  unbalanced,  non-zero  output  impedance.  Further- 
more, gain  may  be  changed  by  switching  only  one  resistor 
thus  allowing  CMR  to  remain  constant  once  initial  trimming 
is  accomplished.  (CMR  is  still  dependent  upon  the  ratio- 
matching  of  four  resistors.)  The  major  disadvantage  to  this 
design  is  that  the  common  mode  voltage  input  range  is  a 
function  of  gain  and  can  thus  be  very  poor.  By  referring  to 
Figure  3,  it  can  be  seen  that  A1  is  called  upon  to  amplify  a 
common  mode  signal  by  the  ratio  (R3  +  R4  )/R4 ;  this  could 
lead  to  saturation  of  A1  thus  leaving  no  "headroom"  to 
amplify  the  differential  signal  of  interest.  A  few  modules 
and  hybrids  use  this  configuration  because  of  its  simplicity, 
but  it  is  not  optimal. 


The  most  popular  configuration  for  op-amp  based  instru- 
mentation amplifiers  is  shown  in  Figure  4: 


Figure  4.  "Classic"  3  Op  Amp  Instrumentation  Amplifier 

The  transfer  function  of  this  circuit  can  be  calculated  by 
superposition. 

For  V|N+  =  0 


If  R3  =  R3',  R2  =  R2',  and  R!  =  Rj ' 

V0UT  =  <Vb-Va>(j£)  (14) 

substituting  for  Vb  and  Va  and  simplifying 

Vout=(v1n+-V1n-)  (^L  +  i)   (2i)  ,15, 

In  this  configuration,  gain  accuracy  and  CMR  still  depends 
upon  the  ratio-matching  of  R2,  R2',  R3  and  R3'.  It  can 
be  shown,  however,  that  CMR  does  not  depend  on  the 
matching  of  R 1  and  R 1 '. 

VCM  OUT  =  <Va  "  Vb)  =  V1N+    (^^)  - 
but  VCM  IN  =  VIN+  =  VIN' 

VCM  OUT      VCM  IN^      RG      "  -       RG  R^J'17' 

=  vCM  IN[o] 

=  0 

Therefore,  in  theory  at  least,  the  user  may  take  as  much  gain 
in  the  front  end  as  he  wishes  (as determined  by  RQ)  without 
increasing  the  common  mode  error  signal.  Thus,  CMRR  will 
theoretically  increase  in  direct  proportion  to  gain,  a  very 
useful  property.  Furthermore,  common-mode  signals  are 
only  amplified  by  a  factor  of  1  regardless  of  gain  because 
no  common-mode  voltage  will  appear  across  RQ,  hence,  no 
common-mode  current  will  flow  in  it  (the  input  terminals 
of  an  op-amp  operating  normally  will  have  no  significant 
potential  difference  between  them).  This  means  that  large 
common-mode  signals  may  be  handled  independent  of  gain. 

Finally,  because  of  the  symmetry  of  this  configuration, 
first  order  common-mode  error  sources  in  the  input  am- 
plifiers, if  they  track,  tend  to  be  cancelled  out  by  the  output 
stage  subtractor.  These  features  explain  the  popularity  of 
this  IA  design  technique. 
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lA's  of  this  type  may  use  either  FET  or  Bipolar  input  oper- 
ational amplifiers.  FET  input  devices  have  very  low  bias 
currents  and  are  well-suited  for  use  with  very  high  source 
impedances.  FET  input  op  amps,  however,  generally  have 
poorer  CMR  than  bipolar  amplifiers  due  to  non-geometry 
related  mis-matches.  (In  other  words,  matching  of  FET's  is 
largely  a  function  of  process  control;  matching  bipolar  tran- 
sistors is  less  process  dependent.)  This  will  manifest  itself  in 
lower  linearity  and  CMR  for  large  input  voltages.  Further- 
more, these  mis-matches  usually  cause  larger  input  offset 
voltage  drifts.  For  these  reasons,  Analog  Devices  instrumen- 
tation amplifiers  use  bipolar  input  stages  thus  sacrificing 
low  bias  currents  to  achieve  high  linearity  and  CMR  along 
with  low  input  offset  voltage  drift.  As  technology  develops, 


FET  input  lA's  may  become  more  viable. 


Dedicated  Design  lA's 

The  second  category  of  IA  design  is  based  on  minimum 
active  device  count;  a  virtue  for  monolithic  IC  circuits.  The 
basic  schematic  for  such  a  design  is  shown  in  Figure  5. 


Figure  5.  Typical  IC  I A  Basic  Schematic 


Forward  gain  is  provided  by  the  input  differential  stage 
Q,  and  Q2  whose  current  gain  (transconductance)  is  1/RG 
(amps/volt)  and  the  main  signal  amplifier  Aj  which  senses 
differences  in  input  stage  collector  currents.  When  the  out- 
put is  connected  back  to  sense  (with  reference  grounded) 
differential  stage  Q3  and  Q4  acts  as  a  feedback  error- 
sensing  amplifier  with  a  transconductance  of  1/RS  (amps/ 
volt).  A2  senses  the  collector  current  imbalance  in  that  stage. 
When  a  differential  voltage  is  applied  to  the  inputs,  the  col- 
lector currents  of  Qj  and  Q2  tend  to  become  unbalanced 

by  'VIN+  "  VIN~'/RG-  Tnis  is  sensed  °V  A,  which  develops 
an  error  voltage  between  the  sense  and  reference  points. 
This,  in  turn,  tries  to  unbalance  the  collector  currents  in  Q3 
and  Q4  by  (VSENSE  -VREF)/RS.  That  unbalance  is  sensed 
by  A2  which  then  adjusts  l3  and  l4  to  equalize  the  collector 
currents  in  Q3  and  Q4  (l4  -  l3  =  (Vs  -  VR)/RS).  A2  simul- 
taneously adjusts  I,  and  I,  such  that  li  -  l2  =  l4  -  l3. 
Balance  is  reached  when: 


Vc  -Vn 


V,  -V, 


(U-I3)RS  (li-lj)RG 


(19) 


.vs-vR 


ifv7Tv7=v^  =  Gain  <20» 


and  l4  -  l3  =  I,  -  l2 

R» 


Gain  = 


SCALE 
^GAIN 


(21) 


It  is  apparent  from  this  analysis  that  the  requirement  for 
carefully  matched  resistors  changes  to  a  requirement  for 
carefully  matched  active  devices.  In  IC  technology,  this  is 
possible  by  utilization  of  precision  photographic  techniques 
along  with  careful  design  layout  and  well-controlled  pro- 
cessing. The  result  is  a  good  trade-off  between  high  per- 
formance and  low  cost. 

INSTRUMENTATION  AMPLIFIER  SPECIFICATIONS 

To  successfully  apply  any  electronic  component,  a  full 
understanding  of  its  specifications  is  required.  That  is  to  say, 
the  numbers  contained  in  a  spec  sheet  are  of  little  value  if 
the  user  doesn't  have  a  clear  picture  of  what  each  spec 
means.  In  this  section,  a  typical  instrumentation  amplifier 
specification  sheet  will  be  reviewed.  Each  individual  speci- 
fication will  be  discussed  in  terms  of  how  it  is  measured 
and  what  error  it  might  contribute  to  the  overall  perfor- 
mance of  the  circuit.  In  some  cases,  a  given  specification 
may  not  affect  a  particular  application;  the  more  common 
situations  of  this  type  will  be  discussed. 

At  the  top  of  the  spec  sheet  is  the  statement  that  the  listed 
specs  are  typical  <s>  Vs  =  ±15V,  RL  =  2kS2  and  TA  =  +25°C 
unless  otherwise  specified.  This  tells  the  user  that  these  are 
the  normal  operating  conditions  under  which  the  device  is 
tested.  Deviations  from  these  conditions  might  degrade  (or 
improve)  performance.  When  deviations  from  the  "normal" 
conditions  are  likely  (such  as  a  change  in  temperature)  the 
significant  effects  are  usually  indicated  within  the  specs. 
This  statement  also  tells  us  that  all  numbers  are  typical 
unless  noted;  "typical"  means  that  the  manufacturers  char- 
acterization process  has  shown  this  number  to  be  average, 
but  individual  devices  may  vary. 

Specifications  not  discussed  in  detail  are  self-explanatory 
and  require  only  a  basic  knowledge  of  electronic  measure- 
ments. Those  specs  do  not  apply  uniquely  to  instrumen- 
tation amplifiers. 

Gain 

These  specs  relate  to  the  transfer  function  of  the  device. 
2(10s) 


Gain  Equation:  G  =  1  + 


(22) 


To  select  an  RG  for  a  given  gain,  solve  the  equation  for  RQ 
,.  .    _  200,000 

(in  ohms):  RG  =  — — — - — —  (23) 

■ 
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For  example: 


G  =  1 


1  (open  circuit) 


G  =  1000:  RG  =  200.20f2 

Of  course  the  user  must  provide  a  very  clean  circuit  board 
to  realize  an  accurate  gain  of  1  since  200Mf2  leakage  resist- 
ance will  cause  a  gain  error  or  0.1%. 

Gain  Range 

Specified  at  1  to  1000,  this  device  may  (and  in  fact  will) 
work  at  higher  gains,  but  the  manufacturer  will  not  promise 
any  particular  level  of  performance.  In  practice,  noise  and 
drift  may  make  higher  gains  impractical  for  this  device. 

Equation  Error 

The  number  given  by  this  specification  describes  maximum 
deviation  from  the  gain  equation.  The  user  can  trim  the  gain 
(above  unity)  or  can  compensate  elsewhere  in  his  design.  If 
his  data  is  eventually  digitized  and  fed  to  an  "intelligent 
system"  (such  as  a  microprocessor),  he  might  be  able  to 
correct  for  gain  errors  by  measuring  a  reference  and  multi- 
plying by  a  constant. 

Nonlinearity 

Nonlinearity  is  defined  as  the  deviation  from  a  straight  line 
on  the  plot  of  output  versus  input.  Figure  6a  shows  the 
transfer  function  of  a  device  with  exaggerated  nonlinearity. 
The  magnitude  of  this  error  can  be  calculated  thus: 


N.  L. 


Actual  Output  -  Calculated  Output 
Rated  Full-Scale  Output  Range 


Regardless  of  the  method  used  to  specify  nonlinearity,  the 
errors  thus  created  are  irreducible.  That  is  to  say  that  these 
errors  are  neither  fixed  nor  proportional  to  input  or  output 
voltage  and  can  not  be  reduced  by  adjustment. 


IDEAL  [STRAIGHT  LINE) 
ACTUAL  RESPONSE 


+V,N  FULL-SCALE 


€  MAXI>  IG'MAXi 
€+MAXI+  l<E"MAXI=K 


a.)  Transfer  Function  Illustrating 
Exaggerated  Nonlinearity 


+V,N  FULL-SCALE 

)6*MAXI=  ISTMAXI-  ^ 
le*MAXI+  IG"MAXI=  K 

b).  Transfer  Function  a.!  After 
Calibration  by  Best-Straight- 
Line  Method 


To  confuse  matters,  this  deviation  can  be  specified  relative 
to  any  straight  line  or  to  a  specific  straight  line.  There  are 
two  commonly-used  methods  of  specifying  this  ideal  straight 
line  relative  to  the  performance  of  a  precision  measure- 
ment device. 

The  "Best  Straight  Line"  method  of  nonlinearity  specifica- 
tion consists  of  measuring  the  peak  positive  and  negative 
deviations  and  adjusting  the  slope  of  the  device  transfer 
function  (by  adjusting  the  gain  and  offset)  so  that  these 
maximum  positive  and  negative  errors  are  equal.  This 
method  yields  the  best  specifications  but  is  difficult  to  im- 
plement in  that  it  requires  that  the  user  examine  the  entire 
output  signal  range  to  determine  these  maximum  positive 
and  negative  deviations.  The  results  of  a  best-straight-line 
calibration  is  shown  by  the  transfer  function  of  Figure  6b. 

The  "End-Point"  method  of  specifying  nonlinearity  requires 
that  the  user  perform  his  offset  and/or  gain  calibrations  at 
the  extremes  of  the  output  range.  This  is  much  easier  to 
implement  but  may  result  in  nonlinearity  errors  of  up  to 
twice  these  attained  with  best-straight-line  techniques.  This 
worst  case  will  occur  when  the  transfer  function  is  "bowed" 
in  one  direction  only.  Figure  8c  shows  the  results  of  end- 
point  calibration. 

Most  linear  devices,  such  as  instrumentation  amplifiers,  are 
specified  for  best-straight-line  linearity.  The  user  must  take 
this  into  consideration  when  evaluating  the  error  budget  for 
his  application. 


♦VIN  FULL-SCALE 

l€+MAXI>  le'MAXI 
l€*MAXU  IE-MAXI-K 

c).  Transfer  Function  a.)  After 

Calibration  by  End-Point  Method 


Figure  6.  Nonlinear  Transfer  Function 


Gain  vs.  Temperature 

These  numbers  give  both  maximum  and  typical  deviations 
from  the  gain  equation  as  a  function  of  temperature.  An 
intelligent  system  can  correct  for  this  with  an  "auto-gain" 
cycle  (measure  a  reference  and  re-normalize). 

Settling  Time 

Settling  time  is  defined  as  that  length  of  time  required  for 
the  output  voltage  to  approach  and  remain  within  a  certain 
tolerance  of  its  final  value.  It  is  usually  specified  for  a  fast 
full  scale  input  step  and  includes  output  slewing  time.  Since 
several  factors  contribute  to  the  overall  settling  time,  fast 
settling  to  0.1%  doesn't  necessarily  mean  proportionally 
fast-settling  to  0.01%.  In  addition,  settling  time  is  not  nec- 
essarily a  function  of  gain.  Some  of  the  contributing  factors 
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include  slew  rate  limiting,  under-damping  (ringing)  and 
thermal  gradients  ("long  tails"). 

Voltage  Offset 

Voltage  offset  specifications  are  often  considered  a  figure 
of  merit  for  instrumentation  amplifiers.  While  initial  offset 
may  be  adjusted  to  zero,  shifts  in  offset  voltage  could  cause 
errors.  Intelligent  systems  can  often  correct  for  this  factor 
with  an  auto-zero  cycle,  but  there  are  many  small-signal 
high-gain  applications  that  don't  have  this  capability. 

Voltage  offset  and  offset  drift  comprise  two  components 
each;  input  and  output  offset  and  offset  drift.  Input  offset 
is  that  component  of  offset  that  is  directly  proportional  to 
gain,  i.e.,  input  offset  as  measured  at  the  output  at  G  =  100 
is  100  times  greater  than  at  G  =  1.  Output  offset  is  independ- 
ent of  gain.  At  low  gains,  output  offset  drift  is  dominant, 
while  at  high  gains  input  offset  drift  dominates.  Therefore, 
the  output  offset  voltage  drift  is  normally  specified  as  drift 
at  G  =  1  (where  input  effects  are  insignificant),  while  input 
offset  voltage  drift  is  given  by  drift  specification  at  a  high 
gain  (where  output  offset  effects  are  negligible).  All  input- 
related  numbers  are  referred  to  the  input  (RTI)  which  is 
to  say  that  the  effect  on  the  output  is  "G"  times  larger. 
Voltage  offset  vs.  power  supply  is  also  specified  at  one  or 
more  gain  settings  and  is  also  RTI. 

Input  Bias  Currents 

Input  bias  currents  are  those  currents  necessary  to  bias  the 
input  transistors  of  a  dc  amplifier.  FET  input  devices  have 
lower  bias  currents,  but  those  currents  increase  dramatically 
with  temperature,  doubling  approximately  every  11  C. 
Since  bias  currents  can  be  considered  as  a  source  of  voltage 
offset  (when  multiplied  by  source  resistance),  the  change  in 
bias  currents  is  of  more  concern  than  the  magnitude  of  the 
bias  currents.  Input  offset  current  is  the  difference  between 
the  two  input  bias  currents. 

Although  instrumentation  amplifiers  have  differential  inputs, 
there  must  be  a  return  path  for  the  bias  currents.  If  this  is 
not  provided,  those  currents  will  charge  stray  capacitances, 
causing  the  output  to  drift  uncontrollably  or  to  saturate. 
Therefore,  when  amplifying  "floating"  input  sources  such 
as  transformers  and  thermocouples,  as  well  as  ac-coupled 
sources,  there  must  still  be  a  dc  path  from  each  input 
to  ground. 

Common-Mode  Rejection 

Common-mode  rejection  is  a  measure  of  the  change  in  out- 
put voltage  when  both  inputs  are  changed  equal  amounts. 
These  specifications  are  usually  given  for  a  full-range  input 
voltage  change  and  a  specified  source  imbalance.  "Common- 
mode  rejection  ratio"  (CMRR)  is  a  ratio  expression  while 
"common-mode  rejection"  (CMR)  is  the  logarithm  of  that 
ratio.  For  example,  a  CMRR  of  10,000  corresponds  to  a 
CMR  of  80dB. 

In  most  lA's  the  CMRR  increases  with  gain.  This  is  because 
most  designs  have  a  front-end  configuration  that  does  not 
amplify  common-mode  signals.  Since  the  standard  for  CMR  R 
specifications  is  referred  to  the  output  (RTO),  a  gain  for 
differential  signals  in  the  total  absence  of  gain  for  common- 
mode  output  signals  will  yield  a  1-to-1  improvement  of 
CMRR  with  gain.  This  means  that  the  common-mode  out- 
put error  signal  will  not  increase  with  gain,  it  does  not  mean 
that  it  decreases  with  gain!  At  higher  gains,  however,  ampli- 
fier bandwidth  decreases.  Since  differences  in  phase-shift 
through  the  differential  input  stage  will  show  up  as  a 


common-mode  error,  CMRR  becomes  more  frequency  de- 
pendent at  high  gains. 

Error  Budget  Analysis 

To  illustrate  how  instrumentation  amplifier  specifications 
are  applied,  we  will  now  examine  a  typical  case  where  an 
AD522  is  required  to  amplify  the  output  of  an  unbalanced 
transducer. 


Figure  7.  Typical  IA  Application 

Figure  7  shows  a  differential  transducer,  unbalanced  by 
1kfi,  supplying  a  0  to  1  volt  signal  to  a  remotely  located 
IA.  The  output  of  the  IA  feeds  a  1 2  bit  A  to  D  converter  with 
a  0  to  1 0  volt  input  voltage  range.  There  is  1  volt  of  peak- 
to-peak  0  to  1 0Hz  noise  on  the  ground  return  appearing  as 
a  common-mode  signal  at  the  inputs  of  the  IA.  The  op- 
erating temperature  range  is  -25°Cto  +85°C;  calibration 
is  performed  at  +25°C. 

The  input  signal  must  be  amplified  by  a  factor  of  10  in 
order  to  utilize  the  full  resolution  of  the  A  to  D  converter. 
Solving  the  gain  equation  for  G  =  10 gives  a  value  of  22.22kf2 
for  RG. 

Table  2  lists  all  applicable  error  sources  and  their  corres- 
ponding effects  on  accuracy.  Initial  errors  are  defined  as 
those  errors  that  can  be  reduced  to  a  negligible  amount  by 
performance  of  an  initial  calibration. 

Reducible  errors  include  these  initial  errors  along  with  other 
errors  that  occur  during  normal  operation  that  may  be 
corrected  by  an  adaptive  or  "intelligent"  system.  For  ex- 
ample, changes  in  gain  or  offset  may  be  measured  during  an 
auto-zero/auto-gain  cycle  by  measuring  two  known  voltages 
(a  precision  reference  and  ground,  for  example).  This  is  a 
common  practice  in  computer  or  processor-controlled 
equipment. 

Irreducible  errors  are  errors  which  can  not  be  readily  cor- 
rected either  at  initial  calibration  or  in  use.  It  could  be 
argued  that  an  array  of  precision  references  would  permit 
a  software  linearity  correction,  but  in  most  applications 
that  would  be  unrealistically  cumbersome. 

The  total  error  "as  built"  is  approximately  5540ppm  or 
0.55%.  If  an  initial  calibration  is  performed,  this  number  is 
reduced  by  2210ppm  to  3330ppm  =  0.33%.  Note  that 
3000ppm  of  this  is  gain  drift. 

In  many  applications,  differential  linearity  and  resolution 
are  of  prime  importance.  This  would  be  so  in  cases  where 
the  absolute  value  of  a  variable  is  less  important  than 
changes  in  value.  In  these  applications,  only  the  irreducible 
errors  (57.8ppm  =  0.006%)  are  significant.  Furthermore,  if 
a  system  has  an  intelligent  processor  monitoring  the  A  to  D 
output,  the  addition  of  a  auto-gain/auto-zero  cycle  will 
remove  all  reducible  errors  and  may  eliminate  the  require- 
ment for  initial  calibration.  This  will  also  reduce  errors 
to  0.006%. 

In  the  above  example,  the  system  can  justifiably  make  use 
of  a  13  bit  A  to  D  converter  for  its  differential  linearity  and 
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resolution.  Dynamic  range  exceeds  84dB  (14  bits).  Absolute 
accuracy  depends  on  calibration  and  system  interaction 
capabilities;  it  might  be  as  good  as  the  resolution  (0.006%) 
or  as  poor  as  the  initial  accuracy  (0.55%). 

INSTRUMENTATION  AMPLIFIER  APPLICATIONS 
General  Considerations 

Whenever  a  precision  high-gain  device— such  as  an  instru- 
mentation amplifier— is  used,  certain  precautions  apply. 
Obviously,  it  is  wise  to  have  a  clean  layout,  short  wire 
runs  where  possible  and  a  carefully  considered  grounding 
scheme.  Figure  8  shows  a  well-thought  out  approach  to  IA 
interconnection. 


T 


Figure  8.  AD522  Interconnection 

A  properly  designed  instrumentation  amplifier  exhibits  low 
sensitivity  to  power  supply  variations;  the  AD522,  for  ex- 
ample, shows  an  RTI  offset  variation  of  only  0.2uV  per  per- 
cent of  power  supply  change  at  G  =  1000.  At  increasing 
frequencies,  however,  this  rejection  factor  will  degrade  as 
internal  capacitances  permit  more  power  supply  noise  to 
find  its  way  into  the  signal  path.  This  effect  can  be  mini- 
mized by  bypassing  the  power  supplies,  as  close  to  the  IA 
as  possible,  with  0. 1uF  ceramic  disc  capacitors.  Larger 
tantalum  capacitors  would  be  effective  against  lower  frequen- 
cy variations,  but  a  competent  IA  is  capable  of  rejecting 
most  of  these  slower  changes. 

The  offset  adjustment  pot  usually  affects  the  balance  of  the 
high  gain  differential  input  stage.  Short  wire  runs  to  this  pot 
will  minimize  injection  of  noise  into  a  sensitive  location. 

The  gain-determining  resistor,  RG,  is  often  remotely  located 
for  purposes  of  gain  switching.  A  well-designed  IA  will  tol- 
erate this  to  a  certain  extent,  but  stray  capacitances  and 
wiring  inductance  may  disturb  the  frequency  compensation 
of  the  device.  Sometimes  it  becomes  necessary  to  install  a 
series  RC  right  at  the  RG  terminals  of  the  IA  to  add  a  com- 
pensating zero  to  correct  for  LC  resonances  caused  by  stray 
inductances  and  capacitances.  This  lead  compensation  may 
improve  stability  at  the  cost  of  a  peak  in  the  frequency  re- 
sponse curve  at  the  high  end.  Unfortunately,  this  compen- 
sation, if  required,  depends  on  the  individual  application 
and  is  usually  determined  experimentally. 

Most  lA's  are  provided  with  "sense"  and  "reference"  out- 
puts. While  there  are  several  interesting  uses  for  these  fea- 
tures (to  be  discussed  later),  the  most  basic  application  is 
remote  load  sensing.  This  essentially  puts  the  IR  drops 
"inside  the  loop"  of  the  IA  and  is  most  useful  when  driving 
remote  and/or  heavy  loads  or  when  the  load  ground  is  not 
firmly  "anchored"  to  the  power  supply  returns. 

Grounding  is  a  topic  worthy  of  its  own  application  note  (see 
"An  IC  Amplifier  User's  Guide  to  Decoupling,  Grounds, 


etc."  by  A.  P.  Brokaw).  In  the  case  of  instrumentation 
amplifiers,  the  main  thing  to  remember  is  that  all  signal  and 
power  returns  must  eventually  have  a  direct  or  indirect 
common  point.  Direct  coupling  of  IA  inputs  make  it  neces- 
sary to  provide  signal  ground  returns  for  input  amplifier 
bias  currents.  Figure  8  shows  a  direct  connection.  If  a 
"floating"  source  or  ac  coupling  is  used,  indirect  returns 
similar  to  those  shown  in  Figure  9  must  be  provided. 


-Vs  GND  +VS 

V  vv 


a).  Transformer  Coupled 


b).  Thermocouple 


c).  AC  Coupled 

Figure  9.  Indirect  Ground  Returns 
for  "Floating"  Transducers 

Signals  from  remote  transducers  are  often  transmitted  to 
the  IA  through  shielded  cables.  While  this  may  well  serve 
to  reduce  noise  pick-up,  the  distributed  RC's  in  such  cabling 
can  cause  differential  phase  shifts  in  those  lines.  When  ac 
common-mode  signals  are  present,  these  phase  shifts  will 
reduce  common-mode  rejection.  The  same  effect  will  occur 
with  remote  RG's  located  at  the  end  of  shielded  cables. 
If  the  shields  could  be  driven  by  the  common-mode  signal, 
the  cable  capacitance  could  be  "boot-strapped"  thus  making 
the  capacitance  effectively  zero  for  common-mode  signals. 
The  data  guard  output  of  the  AD522  provides  the  common- 
mode  component  of  the  input  signals  and  can  be  used  to 
drive  the  shields  of  coaxial  input  cables  and  increase  ac 
CMR.  Figure  8  illustrates  this  connection;  if  not  used,  the 
data  guard  should  be  left  unconnected. 


INSTRUMENTATION  AMPLIFIERS  10-9 


Figure  10.  Current-Booster  Output 
Boosted  Output 

In  the  previous  section,  use  of  the  sense  terminal  for  remote 
load  sensing  was  discussed.  Another  use  of  that  terminal  is 
illustrated  in  Figure  10. 

Typically,  IC  instrumentation  amplifiers  are  rated  for  a  full 
±10  volt  output  swing  into  2kf2.  In  some  applications, 
however,  the  need  exists  to  drive  more  current  into  heavier 
loads.  Figure  10  shows  how  a  high-current  booster  may  be 
connected  "inside  the  loop"  of  an  instrumentation  ampli- 
fier to  provide  the  required  current  boost  without  signifi- 
cantly degrading  overall  performance.  Nonlinearities,  off- 
set and  gain  inaccuracies  of  the  buffer  are  minimized  by 
the  loop  gain  of  the  IA  output  amplifier.  Offset  drift  of  the 
buffer  is  similarly  reduced. 

Offset  Load 

The  reference  terminal  may  be  used  to  offset  the  output  by 
up  to  ±10V.  This  is  useful  when  the  load  is  "floating"  or 
does  not  share  a  ground  with  the  rest  of  the  system.  It  also 
provides  a  direct  means  of  injecting  a  precise  offset. 

Two  caveats  apply  to  the  use  of  the  reference  pin.  When  the 
IA  is  of  the  three-amplifier  configuration  shown  in  Figure  4 
(as  is  the  AD522),  it  is  necessary  that  nearly  zero  impedance 
be  presented  to  the  reference  terminal.  It  can  be  shown  that 
any  significant  resistance  from  the  reference  terminal  to 
ground  increases  the  gain  of  the  non-inverting  signal  path 
thereby  upsetting  the  common-mode  rejection  of  the  IA. 
An  operational  amplifier  may  be  used  to  provide  that  low 
impedance  reference  point  as  shown  in  Figure  11.  The  in- 
put offset  voltage  characteristics  of  that  amplifier  will  add 
directly  to  the  offset  voltage  performance  of  the  IA. 


Output  Offset 

The  other  precaution  is  more  obvious.  The  output  voltage 
range  of  an  IA  is  clearly  specified;  if  that  range  is  mostly 
used  up  by  offset  at  the  reference  terminal  not  much  range 
is  left  for  the  signal.  In  other  words,  the  sum  of  the  offset 
and  signal  may  not  exceed  the  specified  output  voltage  range 
of  the  IA. 
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signal  to  both  inputs,  the  pot  should  be  adjusted  for  an  out- 
put null.  In  many  cases  this  adjustment  will  not  improve 
matters  on  a  long-term  basis  since  the  common-mode  rejec- 
tion of  the  device  is  determined  by  the  long-term  stability 
of  internal  components  (which  will  drift  regardless  of  what 
happens  externally). 


5  in 


Figure  12.  Common  Mode  Rejection  Trim 
Controlled  Currents 

An  instrumentation  amplifier  can  be  turned  into  a  voltage- 
to-current  converter  by  taking  advantage  of  the  sense  and 
reference  terminals  as  shown  in  Figure  13. 


Figure  13.  Voltage-To-Current  Converter 


By  establishing  a  reference  at  the  "low"  side  of  a  current 
setting  resistor,  an  output  current  may  be  defined  as  a 
function  of  input  voltage,  gain  and  the  value  of  that  resistor. 
Since  only  a  small  current  is  demanded  at  the  input  of  the 
buffer  amplifier  A2,  the  forced  current  lL  will  largely  flow 
through  the  load.  Offset  and  drift  specifications  of  A2  must 
be  added  to  the  output  offset  and  drift  specifications  of 
the  IA. 

CONCLUSIONS 

Thus  characterized,  the  instrumentation  amplifier  stands 
ready  to  take  its  place  in  the  Grand  Order  of  Things.  The 
preliminary  contention  that  an  IA  is  not  a  special  sort  of 
operational  amplifier  should  now  be  obvious.  Its  versatility 
is  limited  in  scope  but  its  applications  are  limited  only  by 
the  imagination  of  the  potential  user.  As  a  precision  linear 
device,  an  IA  is  qualified  mainly  by  its  specifications,  a  full 
understanding  of  which  is  necessary  to  successfully  use  it  to 
advantage.  Analog  Devices,  as  a  long  time  supplier  of  com- 
ponents for  precision  measurement  applications,  offers  a 
full  spectrum  of  instrumentation  amplifiers  in  modular, 
hybrid  and  monolithic  IC  form,  each  ideally  suited  to  par- 
ticular applications.  We  hope  that  this  article  will  help  clarify 
the  issues  involved  and  will  aid  in  the  selection  of  a  suitable 
device  for  a  particular  application. 
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Instrumentation  Amplifiers 
Solve  Unusual  Design  Problems 

by  Scott  Wurcer  and  Walt  Jung 


Traditionally  considered  only  for  transducer-conditioning 
applications,  instrumentation  amplifiers  bring 
unique  performance  benefits  to  a  range  of 
other  applications  as  well. 


Instrumentation  amplifiers  traditionally  find  use  in  amp  performance  characteristics  that  suit  sensor-based 

transducer-signal-conditioning  applications  that  re-  circuits — such  as  strain-gauge  and  thermocouple  ampli- 

quire  gain  blocks  with  true  differential  inputs  and  fiers — also  benefit  many  less  traditional  analog-signal-  ' 
single-ended  outputs.  But  the  same  instrumentation- 
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Fig  1 — An  active-transformer  microphone  preamp  uses  two  instrumentation  amps  tor  reduced  noise.  In  this  circuit,  the 
instrumentation  amps'  output  signals  add  linearly,  while  noise  adds  according  to  the  square  root  of  two.  Thus,  the  circuit  provides 
3-dB  better  noise  performance  than  do  single-ended  designs. 
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Instrumentation  amplifiers 
find  diverse 


processing  applications.  Indeed,  as  the  circuits  pre- 
sented here  illustrate,  emerging  low-cost  monolithic 
instrumentation  amplifiers  often  prove  preferable  to  op 
amps  as  basic  analog-circuit  building  blocks. 

IC  instrumentation  amps'  advantages  stem  from 
their  use  of  multiple  op  amps  to  provide  balanced 
inverting  and  noninverting  inputs,  high  common-mode- 
rejection  ratios  (CMRRs)  and  programmable  front-end 
gains  (see  box,  "Three  op  amps  are  better  than  one"). 
High-performance  devices  combine  low  input  noise 
voltages  with  wide  bandwidths  and  stable  dc  character- 


istics — attributes  that  don't  coexist  in  most  monolithic 
op  amps.  Thus,  instrumentation  amps  frequently 
outperform  op  amps  in  applications  as  simple  as 
noninverting  gain  stages  (see  box,  "The  instrumenta- 
tion amp  as  op  amp"). 

Simplifying  mike  preamps 

But  instrumentation  amps'  most  interesting  applica- 
tions involve  circuits  entailing  performance  problems 
that  op  amps  typically  can't  solve.  Microphone  pream- 
plifiers, for  example,  require  active  stages  exhibiting 


Three  op  amps  are  better  than  one 


Instrumentation  amplifiers  typical- 
ly consist  of  three  op  amps  config- 
ured as  a  dual  differential  input 
stage  and  an  output  buffer  (fig- 
ure, part  (a)).  Internal  feedback 
resistors  connected  to  the  input 
amplifiers  allow  one  resistor  (RG) 
to  set  overall  gain.  Assuming  a 
unity  -  gain  output  configura- 
tion, overall  gain  equals 
((R,  +  R2)/RG)  +  1.  Sense  and  refer- 
ence inputs  allow  output  gain 
scaling  and  offsetting. 

The  monolithic  instrumentation 
amps  used  in  this  article's  circuits, 
Analog  Devices's  AD524  and 
AD624  (figure,  part  (b)),  possess 


the  same  gain  characteristics  as 
the  classic  3-op-amp  circuit  but 
provide  a  few  added  features. 
They  include  transistor  preamps 
(Q,  and  Q2)  that  precede  input 
amplifiers  A,  and  A2.  As  a  result, 
input  gain-bandwidth  product  de- 
pends on  transistor  transconduc- 


tance,  so  the  circuits  provide  great- 
er high-gain  bandwidth  than  do 
conventional  instrumentation 
amps.  The  transistor  preamps 
also  increase  overall  instrumenta- 
tion-amp gain  and  thus  reduce 
closed-loop  errors. 


(a) 
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Three  op  amps  compose  a  typical  instrumentation  amp  (a).  Internal  feedback  resistors  around  the  input  amplifiers  let  one  resistor 
(Rol  set  overall  circuit  gain.  The  monolithic  instrumentation  amps  used  in  this  article's  circuits  (b)  include  transistor  preamps  that 
extend  circuit  bandwidth  and  reduce  closed-loop  distortion. 
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Fig  2 — Multiple  currents  are  summed  in  this  current-mode 
mixer.  The  circuit  exploits  the  local  feedback  around  invert- 
ing and  noninverting  instrumentation-amp  inputs  to  allow 
signal  addition  and  subtraction. 


both  low  noise  and  high  CMRR  and  thus  place  excessive 
demands  on  conventional  op  amps.  By  providing  dual 
differential  inputs,  low-noise  input  stages  and  easily 
settable  gain,  instrumentation  amps  greatly  simplify 
mike-preamp  design. 

Fig  1  illustrates  a  preamplifier  built  from  two  Analog 
Devices  AD524J  monolithic  instrumentation  amps. 
Similar  to  the  crossed-input  stacked  amplifier  described 
in  Ref  1,  the  circuit  functions  as  a  balanced-input/ 
balanced-output  active  transformer.  Its  differential 
output  configuration  provides  a  3-dB  signal-to-noise- 
ratio  increase  compared  with  single-ended  designs:  The 
2-amp  configuration  produces  twice  the  signal  voltage  of 
a  single-amp  circuit  while  generating  only  V2  times  as 
much  noise.  The  preamp's  differential  output  arrange- 
ment also  suits  non-audio-related  applications.  For 
instance,  the  circuit  can  function  as  a  general-purpose 
active  transformer  that  feeds  instrumentation  amps 
further  down  the  signal  paths. 

For  maximum  application  flexibility,  the  instrumen- 
tation amps'  programmable  front  ends  allow  overall 
circuit  gains  of  20,  200  or  2000.  When  configured  as 
shown  for  a  gain  of  20,  the  preamp  provides  40V  p-p 
output  swings,  80-dB  CMRR,  0.6-uV-rms  noise  over  a 
20-kHz  bandwidth,  and  harmonic  distortion  less  than 
0.01%. 

The  preamp's  inputs  are  ac  coupled  to  a  source 
microphone  through  capacitors  Ci  and  C2;  resistors  Ri 
and  R2  serve  as  return  paths  for  the  instrumentation 
amps'  input  bias  currents.  The  coupling  capacitors 
furnish  ac  and  dc  overload  protection  for  levels  to  a  few 
volts,  but  because  input  transients  can  become  quite 
large  (particularly  when  mike  cables  get  connected  or 
disconnected),  you  should  ensure  that  the  amplifiers 


remain  adequately  protected.  The  AD524  includes 
integral  protection  to  36V;  other  instrumentation  amps 
might  require  1-kfi  or  larger  resistors  in  series  with  the 
coupling  capacitors.  Note,  though,  that  input  resistors 
entail  a  noise  penalty.  A  1-kft  resistor  generates 
4-nV/VHz  equivalent  input  noise,  which  adds  in  rms 
fashion  to  instrumentation-amp  input  noise  (4.7-nV/ 
VHz  for  the  AD524  in  this  circuit). 

When  constructing  the  mike  preamp,  be  certain  to 
shield  the  coupling  capacitors  and  their  associated  input 
circuitry.  In  addition,  for  minimum  hum  pickup,  use 
balanced,  twisted-pair  input  cables. 

Current  summer  combines  audio  signals 

Fig  2  illustrates  another  instrumentation-amp  appli- 
cation involving  audio-frequency  signals.  Here,  an 
instrumentation-amp-based  current  summer  linearly 
combines  an  arbitrary  number  of  input  waveforms, 
allowing  independent  sign  selection  for  each  signal.  The 
summer  accommodates  individual  gain  settings  for  each 
discrete  input,  and  gain  values  can  exceed  or  remain 
less  than  unity. 

To  provide  dual-polarity  summing,  the  circuit  ex- 
ploits the  local  feedback  present  in  each  of  the 
instrumentation  amp's  input  stages.  Because  the  ampli- 
fier's input  transistors  incorporate  local  emitter  feed- 
back, when  the  transistor  bases  (pins  1  and  2)  connect 
to  ground,  the  total  current  fed  into  the  emitters  (pins  3 
and  16)  produces  linearly  dependent  output  voltages. 
The  AD524  incorporates  20-kO  feedback  resistors,  so. 
unity  gain  results  from  the  use  of  20-kfl  input  resistors. 

In  Fig  2's  circuit,  pin  16  serves  as  a  noninverting 
input  and  pin  3  acts  as  an  inverting  node.  You  can  use 
the  two  inputs  separately  to  sum  single-ended  currents, 
or  together  to  algebraically  combine  differential  inputs. 
Because  of  internal  feedback  connections,  each  input's 
dynamic  impedance  remains  less  than  lfl  at  frequencies 
less  than  1  kHz,  so  crosstalk  between  individual  signal 
channels  remains  low.  With  20-kfi  input  resistors  (unity 
gain),  for  example,  interchannel  crosstalk  remains  86 
dB  below  input  levels. 

Because  the  input  transistors'  grounded  bases  force 
emitter  voltages  to  a  level  one  VBe  drop  less  than 
ground,  you  must  use  input-coupling  capacitors  to 
ensure  low  offsets.  Choose  the  values  of  these  capaci- 
tors so  that  their  reactances  at  frequencies  of  interest 
remain  low  compared  with  the  input  resistors'  values; 
otherwise,  gain  errors  result. 

Thanks  to  the  instrumentation  amp's  low  input  noise, 
the  summer's  signal-to-noise  ratio  over  a  20-kHz 
bandwidth  exceeds  90  dB  relative  to  a  IV  input. 
Moreover,  total  harmonic  distortion  remains  less  than 
0.01%  over  the  entire  audio  range.  Gain  accuracy, 
however,  depends  on  matching  between  input  resistors 
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High  common-mode  rejection 
benefits  audio  applications 


and  the  instrumentation  amp's  internal  feedback  ele- 
ments. The  AD524's  20%  feedback-resistor  tolerance 
leads  to  uncompensated  gain  errors  of  ±1.6  dB  in 
circuits  set  for  unity  gain;  you  can  eliminate  such  errors 
by  providing  input-resistor  trimming  potentiometers. 
Note,  though,  that  interchannel  gain  matching  isn't 
affected  by  internal  tolerances.  Because  all  inputs  feed 
a  common  node,  gain  matching  depends  only  on 
input-resistor  tolerances. 

Note  also  that  you  can  use  the  summer  with 
current-mode  analog  switches,  such  as  those  found  in 
DACs.  In  such  applications,  you  can  preserve  dc 
coupling  throughout  the  circuit  by  connecting  the  input 
transistors'  bases  to  a  positive  voltage  equal  to  the 
devices'  VBE.  In  that  case,  the  emitters  rest  at  ground. 

Buffer  a  bucket  brigade 

Instrumentation  amplifiers'  true  differential  charac- 
teristics also  prove  beneficial  in  circuits  incorporating 


analog  delay  lines.  For  minimum  clock  feedthrough  and 
distortion  in  such  circuits,  dual  CCD  bucket-brigade 
registers — such  as  Reticon  Corp's  SAD-1024 — provide 
two  independently  addressable  delay  lines  with  sepa- 
rate clock  inputs.  But  fully  exploiting  CCD  devices' 
differential  capabilities  requires  buffer  amplifiers  with 
well-balanced  inputs. 

Fig  3  illustrates  a  delay  circuit  that  employs  the 
SAD-1024  512x2  CCD  register  in  a  differential-in/ 
differential-out  configuration.  The  circuit's  input  ampli- 
fiers, two  AD524s,  convert  single-ended  input  signals 
to  differential  levels  that  drive  the  delay  line's  two 
inputs.  A  third  instrumentation  amp  connected  to  the 
CCD  register's  outputs  converts  delayed  differential 
signals  to  single-ended  waveforms. 

The  delay  line's  clock  inputs  get  driven  by  a  pair  of 
CMOS  inverters  that  furnish  buffered,  complementary 
clock  signals.  To  satisfy  Nyquist's  sampling  criterion, 
the  clock  rate  must  remain  at  least  twice  the  highest 
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Fig  3— An  analog  delay  circuit  exploits  both  halves  of  a  CCD  delay  line.  Because  instrumentation  amps  maintain  differential  circuit 
operation,  noise  and  clock  feedthrough  remain  minimal. 
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signal  frequency.  You  can  derive  the  clock  from  an 
external  VCO  and  frequency  divider. 

To  ensure  minimal  clock  noise,  each  of  the  delay  lines' 
outputs  consists  of  two  signals.  Potentiometers  Ri  and 
R.  let  you  balance  these  signals'  currents  and  thus 
maximize  clock-noise  rejection.  The  differential,  cur- 
rent-summing output  configuration  further  nulls  cluck 
feedthrough,  resulting  in  an  overall  signal-to-noise 
ratio  of  70  dB — a  level  unattainable  using  single-ended 
designs. 

As  shown,  the  circuit's  input  amplifiers  exhibit  unity 
gain,  but  you  can  configure  them  for  gains  to  1000.  A3 
and  its  associated  circuitry  let  you  bias  the  input  stages 
to  a  level  that  ensures  minimum  delay-line  harmonic 
distortion.  To  trim  the  circuit,  adjust  R3  for  the  bias 
level  that  results  in  minimum  distortion  with  a  IV  rms 
input  signal.  When  properly  adjusted  and  fed  by  a 
150-kHz  clock,  the  circuit  typically  operates  with  0.2% 
total  harmonic  distortion. 

Measuring  distortion 

You  can  further  exploit  instrumentation  amps'  differ- 
ential properties  to  enhance  the  resolution  of  distor- 
tion-measuring equipment.  Typical  distortion  meters 
null  signal  fundamentals  by  80  to  100  dB  and  thus 
exhibit  measurement  limits  of  0.01  to  0.001%.  But  by 
using  an  instrumentation  amp  to  prenull  a  device- 
under-test's  (DUT's)  output  (Fig  4),  you  can  extend  a 
distortion  meter's  measurement  capabilities  to  140  dB 
below  fundamental  amplitudes.  Thus,  you  can  measure 
distortion  as  low  as  0.00001%. 

The  prenulling  method  entails  several  advantages  in 
addition  to  greater  measurement  resolution.  First, 
because  an  instrumentation  amp  subtracts  signal- 
source  inputs  from  DUT  outputs,  test-oscillator  errors 
are  cancelled  during  the  measurement  process.  As  a 
result,  you  can  measure  lower  distortion  levels  than 
most  oscillators  allow. 

In  addition,  the  prenulling  method  relaxes  the 
dynamic-range  requirements  normally  imposed  on 
distortion  meters  used  for  high-resolution  tests.  The 
distortion  meter  processes  only  signal  errors — not 
fundamentals — so  the  analyzer  need  only  possess 
sufficient  dynamic  range  to  monitor  errors  in  the 
instrumentation  amp's  residual  output.  And  because 
the  test  signal  is  cancelled  through  subtraction  rather 
than  through  notch  filtering,  you  can  use  complex 
waveforms  for  intermodulation  testing  and  other  har- 
monic analyses. 

In  Fig  4's  circuit,  amplifiers  under  test  drive  a  load 
resistor,  Rl.  A  linear  network  with  a  gain  of  1/A,  where 
A  equals  the  amplifier's  gain,  feeds  the  voltage  across 
Rl  to  one  input  of  the  nulling  amp.  The  other 
instrumentation-amp  input  serves  as  a  reference  port 





O AMPLIFIER  ERROR 


Fig  4 — Enhance  distortion-measurement  resolution  with 
this  prenulling  circuit.  A  linear  network  between  a  device 
under  test's  output  and  an  instrumentation  amp  s  input 
compensates  for  DUT  gain  and  frequency  characteristics. 
The  prenulling  circuit  relaxes  the  dynamic-range  require- 
ments of  distortion  analyzers,  because  those  instruments 
must  process  only  the  error  signals  that  emerge  from  the 
instrumentation  amp's  output. 


and  connects  to  the  DUT's  input  signal.  With  the 
instrumentation  amp's  gain  set  to  A  (via  RG),  the 
nulling  circuit's  error-output  level  remains  referred  to 
the  DUT's  output-signal  amplitude. 

Adjusting  the  attenuator  network  proves  the  most 
difficult  aspect  of  the  nulling  circuit's  setup  procedure. 
The  first — and  easiest; — step  involves  adjusting  R,  for 
dc  attenuation  equal  to  1-^A.  Then  you  must  trim 
compensation  capacitor  Ci  in  the  same  manner  that  you 
compensate  oscilloscope  probes.  Time  constant  RiCi 
must  correspond  to  the  — 3-dB  bandwidth  of  the  DUT; 
otherwise,  the  instrumentation  amp  won't  fully  null 
high-frequency  signal  components. 

When  constructing  the  attenuator,  make  certain  that 
R!  and  R2  are  nonreactive  and  possess  thermal-  and 
voltage-nonlinearity  coefficients  small  enough  to  pre- 
vent masking  of  DUT  errors.  In  addition,  you  must 
perform  several  Ri/Ci  adjustment  iterations  to  ensure 
optimum  nulling. 

If  you  intend  to  use  a  meter  to  display  the 
instrumentation  amp's  output,  you  must  ensure  precise 
phase  tracking  between  the  DUT  and  the  attenuator 
network;  1°  of  phase  error  limits  rejection  to  only  35 
dB.  If  you're  feeding  a  spectrum  analyzer,  however, 
you  can  relax  the  phase-tracking  requirement,  so  long 
as  residual  fundamentals  don't  overload  the  analyzer's 
front  end.  Fig  5a  illustrates  a  spectrum-analyzer 
display  that  shows  the  results  obtained  from  proper 
nulling.  The  fundamental  is  dispayed  at  a  level  106  dB 
below  a  3V  rms  test  signal;  the  second  harmonic, 
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therefore,  is  clearly  displayed,  even  at  a  level  120  dB 
below  the  test  signal. 

Fig  5b  shows  the  results  of  a  prenull-based  intermod- 
ulation  test.  In  this  measurement,  5-  and  6-kHz  signals 
are  applied  simultaneously  to  the  DUT.  The  analyzer 
clearly  displays  the  1-  and  11-kHz  sum  and  difference 
frequencies  as  well  as  the  10-  and  12-kHz  second- 
harmonic  components.  Because  the  instrumentation 
amp  cancels  all  but  a  small  portion  of  the  test  signals, 
you  can  use  a  limited-dynamic-range  FFT  analyzer  to 
recover  output-waveform  spectral  data,  even  when 
harmonic  and  intermodulation  components  remain 
more  than  100  dB  below  test-signal  levels. 

You  can  employ  a  similar  difference-amplifier  scheme 
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Fig  5 — Harmonic  spectra  illustrate  the  operation  of  Fig  4  s 
prenulling  circuit.  Trace  (a)  shows  a  harmonic-distortion  test; 
the  fundamental  is  prenulled  to  -106  dB,  permitting  clear 
indication  of  the  second  harmonic  120  dB  below  the  DUTs 
output  level.  Trace  (b)  illustrates  an  intermodulation  test  in 
which  a  DUT  processes  5-  and  6-kHz  test  signals.  The 
display  shows  1-  and  1 1-kHz  intermodulation  components  as 
well  as  10-  and  12-kHz  second  harmonics. 


c, 

4  TO  .  £ 

40  pF  7  » 


vo, 
— o- 


6 


SIGNAL 
SOURCE 


V02 

— o- 


VECTOR 
VOLTMETER 


Fig  6 — A  current  monitor  measures  impedance.  By  ampli- 
fying the  voltage  drop  across  a  reference  resistor,  this  circuit 
lets  a  vector  voltmeter  detect  ZL's  magnitude  and  phase. 


to  measure  complex  impedances.  Some  instrumentation 
amps  feature  very  high  high-frequency  CMRR,  trim- 
mable  via  a  single  capacitor,  so  the  circuits  suit 
applications  involving  current  sensing  on  lines  with 
large  time-varying  components. 

In  Fig  6's  current  monitor,  for  example,  a  low- 
impedance  sine-wave  source  feeds  a  signal  to  a 
reference  resistor  (Rref)  and  one  input  of  an  instrumen- 
tation amp.  Rref  is  a  precision,  nonreactive  resistor 
exhibiting  low  impedance  compared  with  the  network 
under  test  (ZL).  The  instrumentation  amp's  output 
equals  the  voltage  across  Rref  multiplied  by  the  stage's 
gain  and  thus  remains  proportional  to  the  current 
through  Zl.  You  can  trim  the  circuit  for  minimum  error 
(maximum  CMRR)  by  shorting  RREf  and  adjusting  d 
for  minimum  circuit  output. 

You  can  use  Fig  6's  circuit  to  measure  complex 
impedances  by  connecting  a  vector  voltmeter  to  the 
instrumentation  amp's  output  and  to  ZL.  The  vector 
monitor  measures  the  magnitude  and  angle  of  VL^IL 
and  computes  RL=(VL/IL)cos6  and  XL=(VL/IL)sin8. 

Instrumentation  amp  improves  phono  preamp 

High  CMRR  also  brings  advantages  to  phono- 
cartridge  preamplifiers.  Typically,  preamps  for  mov- 
ing-magnet phono  pickups  (the  cartridges  most  com- 
monly used  in  stereo  systems)  employ  op  amps  with 
RIAA  equalization  networks  (N)  in  their  feedback  loops 
(Fig  7a).  These  circuits  are  quite  simple — they  employ 
only  one  active  device — but  they  impose  stringent 
performance  requirements  on  the  op  amps  they  employ. 
To  process  low-level  signals  between  20  Hz  and  20  kHz 
while  providing  1-kHz  gains  of  as  much  as  40  dB,  op 
amps  used  in  conventional  phono  preamps  must  exhibit 
low  noise  and  high  speed  at  unity  gain.  And  to  drive 
complex  feedback  networks,  they  must  furnish  low 
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output  impedance  at  high  frequencies.  Most  important, 
single-ended  circuits  provide  poor  low-frequency  hum 
rejection. 

An  alternative  phono-preamp  approach  (Fig  7b), 
however,  exploits  instrumentation  amps'  differential 
properties  and  low-input  noise  to  provide  excellent 
signal-to-noise  characteristics  and  equalization- 
independent  gain  control.  In  this  circuit,  an  AD624 
instrumentation  amp  (Ai)  converts  a  moving-magnet 
cartridge's  balanced  output  to  a  single-ended  amplified 
voltage  suiting  equalization  and  further  processing. 

Two  termination  resistors  (Rta  and  Rtb)  provide  dc 
input  loading  (47  kft  typ),  and  a  pair  of  capacitors  (Cta 
and  CTb)  furnish  cartridge  damping  (150  pF  suffices  for 
most  cartridges).  The  differential  network  maintains 
signal  balance  for  maximum  hum  rejection  while 
ensuring  proper  cartridge  termination.  A  4-  to  40-pF 
trimmer  or  15-pF  fixed  capacitor  connected  to  the 
instrumentation  amp's  gain  terminals  increases  high- 


frequency  common-mode  rejection.  You  can  further 
improve  the  circuit's  high-frequency  common-mode 
performance  by  adjusting  the  ratio  of  Cta  to  Ctb- 

Because  most  of  A/s  input  current  flows  through  RTa 
and  Rtb,  only  the  instrumentation  amp's  offset  current 
flows  through  the  cartridge.  And  because  the  AD624's 
offset  current  never  exceeds  35  nA  and  typically  equals 
only  10  nA,  input-current-induced  offset  errors  remain 
negligible  compared  with  the  instrumentation  amp's 
250-u.V  input-offset  level. 

To  allow  maximum  component-choice  freedom,  Fig 
7b's  design  accomplishes  RIAA  equalization  in  two 
stages.  A  passive  network  (Ri  and  Ci)  between  Ai  and 
output  buffer  A2  furnishes  75-u.sec  de-emphasis;  the 
responses'  318-  and  3180-u.sec  components  are  generat- 
ed in  A2's  feedback  loop.  This  split-network  technique 
results  in  complete  buffering  of  all  equalization  compo- 
nents. An  alternative  equalization  technique  involves 
lumping  all  three  RIAA  time  constants  in  a  single 


The  instrumentation  amp  as  op  amp 


As  monolithic  instrumentation 
amps'  performance  improves,  an 
interesting  role  reversal  occurs: 
Instrumentation  amps  are  com- 
posed of  op  amps,  but  they  can 
also  serve  as  op  amps.  Consider, 
for  example,  the  nearby  figure's 
precision  instrumentation-amp- 
based  op  amp.  In  this  circuit, 
sense  and  reference  resistors 
connect  to  the  output  terminal, 
thus  configuring  the  instrumenta- 
tion amp's  output  amplifier  as  a 
Howland  current  pump  (EDN, 
January  20,  pg  85).  Because  the 
current  pump  exhibits  very  high 
conductance,  the  output  amplifier 
operates  with  considerable  gain. 
Indeed,  this  gain  is  bounded  only 
by  CMRR  restrictions  and  typical- 
ly equals  80  dB. 

However,  the  instrumentation- 
amp-based  op  amp's  total  gain 
exceeds  80  dB  when  the  input 
amplifiers  are  connected  to  the 
output  buffer.  With  input  gain 
strapped  for  1 00,  for  example,  an 
op-amp-configured  AD524  pro- 
vides open-loop  gain  of  5x106 
(134  dB)  typ. 

In  the  figure's  circuit,  closed- 


loop  gain  equals  1000  and  -3-dB 
bandwidth  equals  56  kHz.  Thus, 
the  amplifier  exhibits  a  gain- 
bandwidth  product  of  56  MHz. 
Such  wide  bandwidth,  coupled 
with  the  instrumentation  amp's 
low  noise  and  high  stability,  re- 
sults in  performance  typically  un- 
attainable in  conventional  IC  op 
amps.  As  an  added  advantage 
over  conventional  op  amps,  the 
circuit's  damping  characteristics 
depend  only  on  the  setting  of  one 
resistor  (RG). 


Such  instrumentation-amp- 
based  op  amps  prove  useful  in 
applications  requiring  closed-loop 
gains  to  100,000  over  wide  band- 
widths.  An  AD524,  for  example, 
provides  gain-bandwidth  products 
as  high  as  1  GHz  when  its  input 
amplifiers  are  set  for  gains  of 
1000.  Note,  however,  that  instru- 
mentation-amp-based op  amps 
remain  most  effective  at  high 
gains;  excess  front-end  phase 
results  in  instability  at  very  low 
closed-loop  gains. 


An  instrumentation  amp  acts  like  an  op 

connect  to  circuit  outputs.  The  dual-feedback 
tion  amp's  output  amplifier  as  a  Howland 
open-loop  gain 


mp  when  sense  and  reference  resistors 
arrangement  configures  the  instrumenta- 
current  pump  and  thus  results  in  high 
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Fig  7 — Conventional  phono  preamps  (a)  employ  a  single  RIAA-equalization  network  (N)  in  an  op  amp's  feedback  loop.  Although 
such  circuits  are  extremely  simple,  they  impose  undue  demands  on  op-amp  performance.  A  better  circuit  (b)  uses  an 
instrumentation  amp  to  buffer  cartridge  outputs.  The  instrumentation  amp's  high  CMRP,  results  in  hum  rejection  to  100  dB 
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Fig  8 — An  output  buffer  in  an  instrumentation  amp's  feedback  loop  provides  high-current  drive  capability  (a).  Photo  (b)  illustrates 
the  buffer's  low  distortion;  the  spectrum  shows  the  harmonic  content  of  a  7V  rms  buffer  output  driving  a  100SI  load. 
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network  between  Ai  and  A2  (Ref  2),  but  such  a  scheme 
results  in  greater  output  noise  than  does  the  split- 
equalization  method. 

In  Fig  7b's  circuit,  lowest  noise  results  when  A, 
operates  with  high  gain;  greatest  overload  immunity 
results  when  A,  exhibits  relatively  little  gain.  There- 
fore, you  must  select  the  input-stage  gain  that  leads  to 
the  best  compromise  between  two  conflicting  perform- 
ance attributes.  Typically,  the  best  compromise  results 
when  Ai's  gain  equals  approximately  20;  A2  then  must 
provide  the  remainder  of  the  network's  gain.  In  Fig  7b's 
design,  Ai  operates  with  a  gain  of  28  and  A2  exhibits  a 
dc  gain  of  38.  Total  dc  gain  thus  equals  1064  or 
approximately  60  dB. 

In  general,  the  phono  preamp's  dc  gain  equals 

GDC=(l+40k/RG)(l  +  (R2+R3)/R4), 
and  RIAA-equalized  1-kHz  gain  equals 

Glk=0.101GDC. 

The  constant  0.101  represents  the  ratio  between  dc  and 
1-kHz  gains  as  set  forth  by  the  RIAA  equalization 
standard.  In  Fig  7b's  circuit,  1-kHz  gain  equals 
approximately  40  dB.  You  can  vary  the  circuit's  gain 
without  affecting  its  equalization  characteristics  by 
adjusting  RG's  value.  Similarly,  you  can  alter  the 
circuit's  response — to  adapt  it  for  tape-head  applica- 
tions, for  example — by  selecting  appropriate  values  for 
R,  through  R3,  d  and  C2. 

As  shown,  with  40-dB  midband  gain,  the  phono 
preamp  furnishes  an  80-dB  signal-to-noise  ratio  re- 
ferred to  a  IV  output.  Low-frequency  CMRR  equals 
100  dB  min.  Maximum  response  accuracy  and  stability 
result  when  all  equalization-network  resistors  are 
metal-film  types  and  all  capacitors  employ  polystyrene 
or  polypropylene  dielectrics. 

Frequently,  instrumentation  amps  must  provide 
output  currents  exceeding  5  mA  while  maintaining  full 
specified  accuracy.  Most  IC  instrumentation  amps  are 
specified  to  drive  5  mA  into  2-kfl  loads,  but  their  100ft 
typ  open-loop  output  impedances  restrict  higher  cur- 
rent operation.  By  placing  a  unity-gain  buffer  inside  an 
instrumentation  amp's  feedback  loop,  however,  you  can 
overcome  circuit  drive  limitations. 

Fig  8a  illustrates  a  buffered  instrumentation-amp 
circuit  that  drives  load  impedances  as  low  as  150ft  and 
delivers  as  much  as  75  mA  of  output  current.  The 
circuit  employs  a  complementary  pair  of  3 A/40V  power 
transistors  (Qi  and  C&)  that  get  forward-biased  by  LED 
Di.  Because  of  D/s  bias  voltage,  Rt  and  R2  drop 
approximately  140  mV  each,  resulting  in  an  output 
quiescent  current  of  approximately  15  mA  with  the 
component  values  shown.  The  15-mA  bias  level  proves 


sufficient  to  prevent  output-stage  crossover  distortion. 
Two  additional  LEDs  (D2  and  D3)  serve  as  voltage 
clamps,  limiting  the  current  through  Q!  and  to 
approximately  100  mA.  These  LEDs  also  act  as 
overload  indicators. 

When  constructing  Fig  8a's  circuit,  observe  several 
precautions.  First,  for  maximum  linearity,  select  R3  so 
that  it  forces  A,'s  output  stage  into  Class  A  operation. 
You  must  also  sense  output  voltages  from  the  output 
terminal,  not  from  internal  circuit  nodes.  In  addition, 
connect  the  load's  common  terminal  to  ground  via  its 
own  power-supply  connection.  Otherwise,  load  cur- 
rents might  perturb  the  circuit's  analog  ground. 
Finally,  to  prevent  high-frequency  oscillations,  mount 
bypass  capacitors  as  close  as  possible  to  the  output 
transistors'  collectors. 
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Isolation  Barrier  Precisely 
Passes  Transducer  Signals 

by  Jeffrey  A.  Greenwald 


Through  the  judicious  use  of  isolation  ampli- 
fiers that  incorporate  transformer  coupling, 
you  can  design  circuits  that  condition  and 
amplify  low-level  transducer  signals.  Such 
circuits  can  precisely  measure  thermocouple, 
resistance-temperature-detector  and  strain- 
gauge  outputs  while  providing  common- 
mode  isolation  in  harsh  environments. 
 _ — . 


" 


Isolation  amplifiers  protect  data-acquisition  compo- 
nents from  potentially  destructive  voltages  present  at 
remote  transducers.  These  amplifiers  are  also  useful 
when  you  need  to  amplify  low-level  signals  in  multi- 
channel applications.  They  can  also  eliminate  measure- 
ment errors  caused  by  ground  loops.  Amplifiers  with 
internal  transformers  reduce  circuit  costs  by  eliminat- 
ing the  need  for  an  additional  isolated  power  supply. 
And  in  many  cases  it's  possible  to  connect  a  transducer 
to  an  isolation  amplifier  with  only  a  few  external  com- 
ponents. 

The  transducers  that  you'll  most  often  encounter  in- 
clude thermocouples,  resistance  temperature  detectors 
(RTDs),  pressure  sensors  and  strain  gauges.  These 
sensors'  outputs  usually  require  high  amplification.  The 
sensors  may  also  require  some  sort  of  external  excita- 
and  you  may  have  to  perform  filtering  or  other 


; 


-<Inc 


signal  conditioning  to  yield  a  useful  signal.  In  some 
cases,  you'll  have  to  offset  the  sensor's  output  to  place 
it  into  the  proper  signal  range  for  the  data-acquisition 
hardware.  You  can  perform  all  of  these  functions  with 
rather  simple  circuits  and  precise  isolation  amplifiers. 

The  isolation  amplifiers  you  use  in  these  circuits  must 
have  high  enough  breakdown  potential  to  withstand 
ground  faults  and  thus  prevent  system  destruction. 
In  many  applications,  you  may  be  called  upon  to  mount 
pressure  transducers  and  strain  gauges  on  metallic 
pipes  and  objects  that  are  at  different  electric  poten- 
tials than  those  of  your  data-acquisition  system.  High 
isolation  comes  in  handy  to  break  ground  loops,  to 
reduce  noise,  or  to  otherwise  allow  you  to  measure 
strain  safely  in  the  presence  of  several  hundred  volts. 

The  isolation  amplifier  needs  to  be  able  to  respond 
to  out  of  range  transients  that  may  overload  pressure 
transducers.  The  AD208,  for  example,  recovers  from 
5V  input  transients  at  a  gain  of  1000  in  5  msec  without 
damage.  Overload  often  happens  when  a  valve  closes, 
restricting  the  flow  of  fluid  in  a  pipe.  Since  pressure 
is  proportional  to  force  and  inversely  proportional  to 
cross-sectional  area,  the  pressure  rapidly  rises  to  sev- 
eral times  the  full-scale  pressure.  This  effect  is  called 
the  water-hammer  effect.  The  same  condition  is  occur- 
ring when  your  pipes  make  a  banging  noise  after  you 
have  shut  off  the  water  in  the  sink. 

Possibly  the  most  common  transducer  that  you'll  use 
isolation  amplifiers  with  is  a  thermocouple.  Thermocou- 
ples are  low-cost  sensors,  and  can  measure  tempera- 
tures over  a  wide  range.  Table  1  lists  some  common 
types  and  their  ranges.  Thermocouples  comprise  two 
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dissimilar  metals.  A  phenomenon 
called  the  Seebeck  effect  generates 
a  temperature-dependent  microvolt 
signal  when  the  two  dissimilar  met- 
als join  to  form  a  closed-loop  circuit. 

Although  thermocouples  are  in- 
expensive, they  have  one  major  dis- 
advantage. In  addition  to  the  desir- 
able thermocouple  effect  that  you 
want  to  measure,  undesirable  ther- 
mocouple effects  occur  when  you  at- 
tach the  thermocouple  to  the  out- 
side world,  typically  in  the  form  of 
copper  wire.  If  the  thermocouple 
material  is  not  also  copper — it  typically  is  not- 
tional  thermocouple  effects  known  as  cold-junction  er- 
rors occur. 

For  example,  the  two  measurement  terminals  of  a 
J-type  thermocouple  consist  of  iron  (Fe)  and  constantan 
(Con)  contacts.  (Constantan  is  a  nickel-copper  alloy.) 
When  you  attach  each  side  of  the  thermocouple  to  cop- 
per wire,  two  different  metals  join — iron  and  copper 
on  one  end  and  constantan  and  copper  on  the  other — to 
create  thermally  induced  voltages  whose  values  are  a 
function  of  ambient  temperature.  The  induced  voltages 
at  the  constantan-copper  and  iron-copper  cold  junctions 
are  opposite  in  polarity  to  the  Seebeck  voltage  created 
by  the  thermocouple. 

You  can  model  the  two  cold  junctions  as  two  voltage 
sources  in  series  with  the  thermocouple  (Fig  1).  While 
the  thermocouple  is  sensing  temperature  at  a  specific 
physical  location,  these  cold  junctions  are  functions  of 
the  ambient  environment.  The  voltage  at  the  measure- 
ment terminal,  VM(T),  is  the  difference  between  the 


Table  1— Common  thermocouples  and 
their  characteristics 


Thermo- 
couple 
type 

Maximum 
temperature 
range  at  5V  output 

(•O 

Maximum 

v,„ 

(mV) 

Isolation 
amplifier's 
gain  setting 

(V/V) 

Suggested  resistor  values 
with  reference  to  Fig  2 

m 

(kO) 

R2 

(MO) 

E 

900 

68.783 

72.69 

6.98 

0.5 

2 

J 

750 

42.283 

118.25 

11.5 

1 

2 

K 

1250 

50.633 

98.75 

9.53 

1 

2 

R 

1450 

16.741 

298.6 

28.7 

2 

2 

S 

1450 

14.973 

333.9 

32.4 

2.  ,  ~* 

-».,2 

T 

350 

17.816 

280.6 

27.4 

2 

.   -  2  - 

VF.-Con(sensor)  Fe 


Fa  -  Cu(ambient) 


+ 
VM<T) 


1 


Cu  -  Con(ambient) 


Fig  1 — When  you  connect  the  two  ends  of  a  thermocouple  to  a 

dissimilar  metal  such  as  copper,  you  generate  unwanted  thermocou- 
ple effects  called  cold  junctions.  Voltage  sources  in  series  with  the 
thermocouple's  voltage  model  the  effects  of  these  junctions. 


voltage  at  the  thermocouple  and  the  sum  of  the  induced 

voltages,  as  follows: 

Because  the  two  cold  junctions  have  a  back-to-back, 
copper-to-copper  connection,  you  can  combine  them  in 
a  single  iron-constantan  voltage  source.  You  can  then 
rewrite  the  voltage  at  the  measurement  I 


V„(T)  = 

v 


FVCon(senBor) 


-v 


Fe-Con(ambient)- 


Canceling  this  cold-junction  effect  requires  an  opposing 
voltage  in  series  with  the  thermocouple.  This  offsetting 
voltage  should  generate  zero  volts  at  zero  degrees  C 
and  have  a  positive  temperature  slope  equal  to  the 
thermocouple  type  you're  using.  In  effect,  you  need  a 
temperature  sensor  that  measures  the  cold-junction 
ambient  temperature  and  produces  an  offsetting 
voltage. 

One  method  to  measure  and  compensate  for  the  cold- 
junction  is  to  use  a  monolithic  cold-junction  compensa- 
tor in  series  with  the  thermocouple  (Fig  2).  IC,  gener- 
ates a  temperature-dependent  output  of  10  mV/°C.  An 
internal  laser-trimmed  resistor  network  scales  this  sig- 
nal to  provide  the  correct  slopes  for  most  commonly 
used  thermocouple  types.  You  can  access  the  scaled 
compensation  voltage  on  one  of  four  taps  for  various 
standard  thermocouples:  60.9  pvV/°C  (E-type),  51.7  u.V/ 
°C  (J-type),  40.6  pvV/°C  (K-type),  and  6  m-V/°C  (R-  and 
S-type). 

The  isolated  ±8V  dc  supply  at  pins  5  and  6  of  the 
isolation  amp  can  supply  as  much  as  ±5  mA  to  the 
cold-junction  compensator.  However,  because  IC,  only 
draws  a  maximum  of  150  u.A,  there  is  sufficient  power 
left  over  if  you  need  to  add  more  circuitry,  such  as  an 
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input  filter.  In  turn,  the  transformer-coupled  isolation 
amplifier  obtains  its  power  from  the  power-clock 
driver,  IC3.  The  clock  driver  produces  a  25-kHz,  15Vp.p 
square  wave,  which  can  drive  up  to  16  fully  loaded 
isolation  amplifiers. 

You  obtain  the  maximum  sensitivity  from  the  ther- 
mocouple circuit  by  amplifying  the  low-level  input  sig- 
nal to  the  isolation  amp's  full-scale  output  range.  The 
following  equation  yields  the  necessary  gain  from  a  few 
known  values:  the  output  voltage  span  of  the  thermo- 
couple that  corresponds  to  the  thermocouple's  tempera- 
ture extremes  (Vtchi-  Vtc.lo);  and  the  input- voltage 
requirements  of  your  data-acquisition  electronics, 

v„,-vL0. 


Gain-(RF/R,  +  1) 
=  (V„I-VLo)/(VTC.„I-VTC.Lo). 


From  the  values  in  the  table,  you  can  see  that  a  J-type 
thermocouple  has  a  maximum  temperature  of  750°C, 
corresponding  to  a  maximum  output  of  42.283  mV. 
Thus,  the  gain  required  to  amplify  the  0-  to  42.283-mV 
signal  to  a  0  to  5V  output  span  is  (5-0V)/(42.283 
mV-0  mV),  or  118.25. 
You  can  determine  the  optimal  feedback  resistor 


value,  RF,  by  first  setting  Ri  to  100ft,  and  then  solving 
for  RF  using  the  equation  RF  =  (Gain  -  1)R],  which 
yields  RF  =  117.25  x  100.  Note  that  in  Fig  2,  RF  is  the 
sum  of  RF  and  RtrIM.  To  obtain  a  bipolar  adjustment 
range  of  ±5%  for  the  gain,  choose  RF  =  0.95RF,  and 
Rtrim  =  0.1Rf. 

Similarly,  you  can  use  Rz  to  set  the  offset  adjustment 
range.  The  following  equation  relates  this  resistance 
to  the  gain,  feedback-resistor  value,  isolation  voltage, 
V1S0,  and  two  offset  voltage  values.  One  of  these  offset 
values,  Vos-rti.  is  the  referred-to-input  offset;  the 
other,  VOS-rto>  is  the  referred-to-output  offset. 

Rz  =  VIS0RF/(  Vos-rto  +  (Gain  x  v  OS-RTV- 

The  AD208  isolation  amplifier,  for  example,  typically 
has  a  VIS0  of  8V,  a  VOS-rto  of  15  mV  max,  and  a  Vos.rti 
of  250  [lV  max.  Using  these  values  and  those  for  the 
gain  and  RF,  you  can  solve  for  Rzs=2  Mft. 

Perforin  calibration  first 

For  the  circuit  to  achieve  maximum  accuracy,  you'll 
need  to  calibrate  the  circuit  in  Fig  2  to  minimize  offset 
and  gain  errors.  You  can  adjust  the  offset  by  first 
shorting  pin  1  of  IC2  to  pin  2,  the  Input  Common.  (Or 
you  can  insert  the  thermocouple  in  an  ice-point  refer- 


NOTES: 

ALL  RESISTORS  ARE  1%. 
10  ppm/°C  UNLESS  NOTED  OTHERWISE. 
AC1226  THERMOCOUPLE  (T/C) 
INPUT  PIN  SELECTION  IS 
DEPENDENT  ON  THE  THERMOCOUPLE 
TYPE,  PER  THE  GUIDE  TO  THE  RIGHT: 


PIN 

T/C  TYPE 

1 

E 

6 

R.S 

7 

K.T 

8 

J 

Fig  2 — To  compensate  for  cold-junction  effects,  this  circuit  inserts  temperature-dependent  compensation,  generated  by  IC„  between  the 
thermocouple  and  an  isolation  amplifier.   
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A  thermocouple  relies  on  the  Seebeck  effect 
to  generate  a  temperature-dependent  micro- 
volt signal  when  two  dissimilar  metals  join 
to  form  a  closed-loop  circuit. 


ence — a  0°C  environment.)  Then,  adjust  the  offset  po- 
tentiometer until  the  amplifier's  output  measures  OV. 
You  can  calibrate  the  gain  by  applying  the  full-scale 
thermocouple  voltage  (42.283  mV  for  a  J-type  thermo- 
couple) to  the  input  of  IC2.  Then  adjust  the  gain-trim 
potentiometer  until  the  dc  signal  at  the  output  of  the 
isolator  is  5V.  Because  the  offset  and  gain  may  interact 
with  one  another,  you  may  have  to  recalibrate  for  zero 
offset  following  the  gain  adjustment. 

After  removing  the  calibration  source,  the  cold-junc- 
tion compensator  should  cause  no  more  than  ±2°C  of 
residual  error.  The  temperature  stability  of  the  circuit 
in  Fig  2  (referred  to  output)  is  212.2  |xV/°C,  yielding 
a  sensitivity  to  ambient  temperature  of  0.032  u.C/°C. 
Gain  drift  is  321  jiV/°C,  delivering  a  sensitivity  to  ambi- 
ent temperature  of  0.048  ji.C/°C. 

Measure  temperature  more  precisely 

RTDs  offer  better  stability  and  linearity  than  ther- 
mocouples, but  are  limited  to  temperatures  below 
850°C.  The  most  common  RTDs  are  made  of  platinum, 


because  platinum 


'  stable  at  elevated  tempera- 


tures. Platinum  RTDs  typically  have  a  100ft  resistance 
and  a  temperature  coefficient  of  +0.385%/°C  at  0°C 
(European  DIN  Standard  43  760). 

Because  the  RTD's  resistance  is  the  temperature- 
dependent  parameter,  the  signal-conditioning  circuit 
must  supply  a  current  to  excite  the  sensor  and  then 
measure  the  voltage  drop  across  the  RTD.  The  circuit 
must  apply  relatively  low  excitation  currents  to  avoid 
self-heating  errors.  As  a  result  of  the  low  excitation 
current  and  the  low  sensitivity  of  the  RTDs,  you'll 
need  to  employ  a  low-drift,  high-gain  amplifier  to  han- 
dle the  RTD's  millivolt  output  signal.  Finally,  to  obtain 
the  high-measurement  accuracy  that  is  possible  with 
RTDs,  you  need  to  eliminate  any  initial  offset  voltage 
at  the  reference  temperature,  usually  0°C.  You'll  also 
need  to  reduce  errors  created  by  lead  resistance  in  the 
wire  that  connects  the  RTD  to  the  measurement  elec- 
tronics. 

Fig  3's  circuit  is  one  way  to  achieve  these  goals. 
This  measurement  circuit  combines  excitation-current 
sources,  lead-wire  compensation  and  amplification  for 
a  100ft  RTD.  The  LT1009,  a  2.5V  reference,  amplifier 


PLATINUM  RTD 
10011 
0.38%/°C 


NOTE:  ALL  RESISTORS  ARE  1%,  10  ppm/X  UNLESS  NOTED  OTHERWISE. 
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Fig  3— Dual  currents  and  a  ground-servo  amplifier,  IC,,  allow  this  circuit  to  excite  ami  provide  zero  suppression  to  a  100CI,  platinum  RTD 
over  goto  50(fC  range.  
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ICi,  dual  LM358  amplifiers,  IC2)  and  a  pair  of  low 
Vgsoff  n-channel  JFETs  such  as  the  J201  compose  two 
low-power  current  sources.  One  current  source,  IS2, 
excites  the  RTD.  The  other  source,  IS[,  supplies  cur- 
rent to  offset  the  RTD  such  that  the  voltage  at  the 
isolation  amplifier's  input  is  zero  at  0°C.  This  zero- 
suppression  technique  saves  you  from  having  to  reduce 
the  gain  sensitivity  of  the  RTD  circuit  to  keep  the 
signal  within  the  operating  range  of  the  isolation  am- 
plifier. 

IS2  excites  the  RTD  with  a  low  current,  250  nA,  to 
minimize  self-heating.  By  adjusting  the  trimming  po- 
tentiometer, R3,  you  can  change  the  excitation  cur- 
rent's range  by  as  much  as  ±5%.  The  circuit  imple- 
ments zero  suppression  using  a  simple  ground-servo 
amplifier  comprising  IC,  and  Rz.  (Rz  equals  the  RTD's 
100O  value  at  0°C).  The  ground-servo  amplifier  pro- 
vides an  effective  means  of  providing  zero  suppression 
without  having  to  use  an  expensive  differential  ampli- 
fier. It  also  compensates  for  the  finite  lead  resistance 
by  remotely  sensing  the  voltage  at  the  RTD. 

The  current,  IS,,  develops  a  voltage,  V\,  equal  to 

V^Vos  +  Vz  +  V^, 

where  Vqs  is  ICi's  offset  voltage. 

IS2  in  turn  generates  the  voltage,  VIN,  seen  by  IC3's 
input  amplifier.  The  value  of  VIN  equals 

ViN  =  V1-VRTD-VLead. 

Substituting  the  previous  equation  for  Vj  in  this  equa- 
tion for  Vim  yields 

Vin  =  Vos  +  Vz-Vrtd. 

The  trimming  potentiometer,  R2,  connected  between 
±VIS0  and  the  large  injection  resistor,  R,,  nulls  any 
residual  offset.  To  minimize  errors  created  by  offset 
drift  in  1CU  choose  a  low-power,  low-offset,  and  low- 
drift  amplifier  for  this  function. 

The  sensitivity  of  a  100ft  platinum  RTD  with  a  250- 
jxA  current  excitation  is  approximately  95  (iV/°C. 
Therefore,  setting  the  isolation  amplifier's  gain  to  105 
will  result  in  an  output  sensitivity  of  10  mV/°C  for  a 
temperature  range  of  0  to  500°C.  With  this  amplifica- 
tion, the  amplifier's  output  will  span  a  0  to  -  5V  output 
range.  By  connecting  IC3's  OUT  HI  pin  to  ground 
(CLK  COM)  and  using  OUT  LO  as  the  output,  the 


circuit  inverts  the  output  range  to  0  to  5V. 

The  gain  equation  of  the  circuit  in  Fig  3  is  the  same 
as  the  equation  for  Fig  2  except  for  the  additional 
excitation  current  term,  IS2,  as  follows: 

Gain  =  (RF/RI  +  l) 

=  (V„,  -  VL0)/IS2(VTC.HI  -  VTC.L0). 

If  you  let  R,  equal  100n,  RF  should  be  10.5  kft  for  a 
0  to  500°C  temperature  range. 

Fig  3's  RTD  circuit  requires  offset  and  gain  calibra- 
tion similar  to  that  of  the  thermocouple-conditioning 
circuit.  The  easiest  calibration  method  is  to  substitute 
a  known  resistance  in  place  of  the  RTD.  By  replacing 
the  RTD  with  a  100ft  resistor  you  can  simulate  a  tem- 
perature input  of  0°C.  Then  you  can  adjust  the  offset- 
trimming  potentiometer,  R2,  so  that  IC3's  output  is 
0V.  Then  exchange  the  100ft  resistor  with  one  that 
simulates  the  RTD  at  500°C  (280.9ft,  DIN  43  760  stan- 
dard), and  trim  the  reference  voltage  until  the  IC3's 
output  equals  5V. 

A  100ft  platinum  RTD  that  has  a  250-|xA  excitation 
current  and  is  amplified  by  a  gain  of  105  V/V  will 
display  a  referred-to-output  (RTO)  sensitivity  of  10.1 
mV/°C.  The  circuit's  RTO  offset  and  gain  drift  is  433.2 
(iV/°C  and  360  u.V/°C,  respectively.  This  offset  and 
gain  drift  yields  a  total  sensitivity  to  ambient  tempera- 
ture changes  of  0.079°C/°C. 

Condition  strain-gauge  signals 

Another  popular  class  of  transducers  used  in  fluid- 
flow  monitoring  (and  in  stress  and  strain  measure- 
ments) are  pressure  transducers  and  strain  gauges. 
Most  of  these  transducer  types  consist  of  resistive  ele- 
ments whose  resistance  fluctuates  in  response  to  me- 
chanical forces.  These  resistors,  like  RTDs,  need  an 
excitation  signal  and  zero  suppression.  A  common 
method  of  implementing  these  transducers  is  by  plac- 
ing them  into  one  or  more  legs  of  a  Wheatstone  bridge. 
A  differential  amplifier  then  amplifies  the  small  signal 
imposed  on  a  large  common-mode  dc  voltage. 

Fig  4  shows  a  simple  and  accurate  method  of  exciting 
and  conditioning  a  strain  gauge  using  the  bridge  ap- 
proach— and  without  having  to  use  a  costly  differential 
amplifier.  This  circuit  connects  a  100-mV  strain  gauge 
to  the  ±  5V  excitation  signal  derived  from  a  precision 
voltage  reference,  ICj.  This  reference  contains  a  10V 
buried-zener  reference,  half-bridge  completion  resis- 
tors (R,  and  R2),  and  four  amplifiers.  Amplifier  A, 
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Thermocouples  have  cold-junction  errors 
and  voltage  nonlinearity  errors  that  compli- 
cate accurate  temperature  measurements. 


performs  as  a  ground-servo  amplifier  for  zero  suppres- 
sion, and  output  amplifiers  A2  and  A3  add  remote-sense 
capability.  Fig  4  configures  ICi  for  ±5V  operation 
with  emitter-follower  current  boosters  Q,  and  Q2  to 
power  the  strain  gauges.  The  current  boosters  can 
supply  as  much  as  10  mA  of  load  current  into  a  500ft 
strain  gauge.  This  current  is  limited  by  power  limita- 
tions of  the  booster  transistors,  the  power  clock,  and 
the  saturation  flux  of  the  power  transformer. 

The  ground-servo  amplifier,  Ait  and  half-bridge  com- 
pletion resistors,  R,  and  R2,  turn  an  otherwise  differen- 
tial measurement  into  a  single-ended  one.  A!  senses 
the  reference  voltage  via  pins  11  and  10  and  forces  its 
midpoint  to  zero.  Thus,  it  forces  the  bridge  to  operate 
symmetrically  around  ground.  If  you  need  to  make  a 
remote  measurement  in  cases  where  the  lead  resistance 
in  the  bridge  can  cause  significant  measurement  errors, 
this  circuit  runs  the  sense  leads  of  A2  and  A3  to  the 
remote  strain  gauge.  A2  and  A3  drive  the  bases  of  Q, 
and  Q2  such  that  the  remote  sense  point  will  be 
VREF±5V. 

Fig  4   amplifies  a   100-mV,  ground-referenced 


transducer  signal  by  50  to  produce  a  ±5V  output 
range.  As  in  the  previous  circuits,  you  determine  the 
isolation  amp's  gain  by  using  the  standard  noninverting 
gain  formula:  RF/(Ri  + 1). 

If  you're  using  a  500ft  strain  gauge  that  requires 
more  than  10  mA,  you'll  need  to  add  more  power  to 
the  circuit.  You  can  derive  useful  power  from  the 
power  clock  by  using  a  simple  half-wave  rectifier,  filter, 
and  transformer  comprising  Tu  Du  D2,  and  4.7-m.F 
capacitors.  The  power  clock's  15VP.P,  25-kHz  square- 
wave  output  provides  the  necessary  current  to  supply 
20  mA  dc  from  the  ±8V  output  of  the  unregulated, 
isolated  power  supply.  Because  the  AD588  voltage  ref- 
erence requires  a  maximum  of  10  mA,  10  mA  are  avail- 
able to  the  strain  gauge. 

Consider  an  alternative 

Keep  in  mind  that  these  voltage-output  circuits  re- 
quire an  external,  unity-gain  buffer  amplifier,  if  you 
plan  to  drive  a  load  that  is  less  than  1  mft.  As  an  option 
to  all  of  the  previous  signal-conditioning  circuits,  you 
can  convert  the  output  voltage  of  the  AD208  isolation 
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Fig  4— Amplifier  A,,  part  of  a  programmable  voltage  reference,  senses  the  reference  midpoint  and  forces  the  bridge  to  operate  around 
that  value.  T,  and  its  associated  components  add  power  if  needed. 
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Resistance  temperature  detectors  (RTDs) 
offer  better  stability  and  linearity  than  ther- 
mocouples, but  have  a  narrower  operating- 
temperature  range. 
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NOTE:  ALL  RESISTORS  ARE  1%,  10  ppm/°C  UNLESS  NOTED  OTHERWISE. 


— O  SINK 

4- TO  20  mA 
OUTPUT 


IC4 
LM7815 


-O  *VLOOP 
COMMON 


=p  0.22  (iF 


-0*VL< 


Fig  5— This  4-  to  20-mA  current-loop  circuit  isolates  the  offset  adjustment  at  the  OUT  LO  pin,  from  the  gain  adjustment  at  the  input. 


amplifier  to  a  4-  to  20-mA  current  (Fig  5).  ICYs  com- 
mon-mode output  range,  OUT  LO  -  CLK  COM,  allows 
you  to  offset  the  OUT  LO  pin,  thereby  providing  the 
offset  necessary  for  the  voltage-to-current  conversion. 
IC2's  A!  amplifies  the  200-rr.V  reference  by  5,  and 
drives  OUT  LO  to  IV.  You  can  then  select  resistor 
values  to  fix  the  gain  of  the  AD208  such  that  the  nor- 
mal-mode output  range  is  0  to  4V.  One  requirement 
of  this  circuit  is  that  the  output  common-mode  voltage 
plus  the  normal-mode  voltage  must  be  less  than  or 
equal  to  6V. 

IC^s  OUT  HI  drives  a  voltage-to-current  converter 
comprising  A2,  Q„  Q2,  and  a  250ft  resistor.  This  con- 
verter generates  the  requisite  4-  to  20-mA  output  with 
as  much  as  25V  of  compliance  for  a  30V  supply.  The 
circuit  connects  Qj  and  Q2  in  a  Darlington  configuration 
to  keep  base-current  errors  to  a  minimum.  Q2  must 
dissipate  as  much  as  600  mW  over  your  desired  operat- 
ing temperature  range.  Therefore,  a  medium-power 
transistor  such  as  a  TIP  31A  works  best.  You  can  trim 
the  4-mA  offset  by  adjusting  the  gain  of  A,  and  then 
independently  adjusting  the  span  at  the  input  side  of 
ICi.  This  independent  adjustment  minimizes  the  inter- 
action between  offset  and  input  span  commonly  encoun- 
tered in  other  circuits. 


IC4,  an  LM7815  voltage  regulator,  preregulates  a 
30V  input  and  supplies  15V  to  the  power  oscillator.  If 
you  are  using  more  than  a  couple  of  isolation  amplifiers 
in  a  multichannel  application,  you  need  to  be  aware 
that  the  AD208  isolation  amplifier,  in  combination  with 
the  AD246  oscillator,  represents  a  reactive  load  to  your 
preregulator.  Higher-than-average  currents  can  flow 
into  IC3  and  can  force  your  preregulator  to  go  into 
current  limiting. 
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Behind  the  Switch  Symbol 
Use  CMOS  Analog  Switches  More  Effectively 
When  You  Consider  Them  as  Circuits 


i 


by  Jerry  Whitmore 


CMOS  analog  switches  are  widely  used  to  make  or  break  circuits 
in  such  applications  as  multiplexing  and  function  switching.  Ide- 
ally, they  have  zero  resistance  when  closed,  infinite  resistance 
when  open,  no  leakage,  instantaneous  glitch-free  response,  and  no 
parasitic  capacitance.  While  these  assumptions  are  reasonably 
valid  for  low-frequency  applications  at  moderate  impedance 
levels,  the  good  designer  will  always  challenge  them,  to  establish 
what  errors  may  be  introduced  and  even  to  determine  whether  the 
circuit  configuration  is  viable. 
SWITCH  CIRCUITS 

Figure  1  is  a  reasonable  approximation  of  the  circuitry  in  a  single- 
pole  dielectrically  isolated  CMOS  switch  (e.g.,  AD7510DI 
or  AD7590DI  series* ). The  dielectric  isolation  makes  possible  pro- 
tection against  latchup  and  overvoltage  to  ±25V  beyond  the 
supplies.  Note  that,  for  one  polarity,  conduction  is  via  an  N-chan- 
nel  FET;  for  the  other  polarity,  it  is  via  a  P-channel  FET.  The  two 
types  are  not  perfectly  symmetrical. 


TTL 
CONTROL 
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LEVEL 
SHIFTER/ 
DRIVER 


>Vb„.«V 


 it 


NOTE.  CIRCLED  DEVICES  IN  SEPARATE  ISOLATED  POCKETS. 


Figure  1.  Typical  output  switch  circuitry  of  the 
AD7590DI  Series. 

Figure  2  is  an  equivalent  circuit  of  a  pair  of  adjacent  switches.  The 
parameters  are  defined  in  Table  1.  There  are  three  principal 
categories  of  error  one  should  be  concerned  about:  low-frequency 
errors  due  to  resistances  and  current  leakage  (switch  open  or 
closed),  high-frequency  and  signal-transient  errors  due  to  stray 
capacitances  (switch  open  or  closed)  and  dynamic  errors  due  to 
switching  transients  while  the  state  of  the  switch  is  changing.  Be- 
cause of  the  present  limitations  of  space,  we  shall  for  now  consider 
just  the  first  category,  since  it  answers  the  most  urgent  question, 
"How  well  does  the  switch  actually  work  for  low-frequency  sig- 
nals?" 

Although  the  leakage  currents  of  the  P-  and  N-channel  transistors 
(devices  4  and  5  in  Figure  1)  might  appear  to  tend  to  cancel,  they 
don't,  since  the  P  channel  is  three  times  larger  than  the  N  channel. 

Reprinted  from  Analog  Dialogue  15-2  1981 


Cds: 
CS,CD 

Ron 
S,D 

Css,CDD 
Ilkg 


Table  1.  Nomenclature 

Open-switch  capacitance 
Source,  drain  capacitance 
Series  on  resistance 

Source,  drain;  electrically  interchangeable 
Capacitance  between  any  two 

corresponding  switch  terminals 
Leakage  current  of  back-gate  diode 


Because  of  the  size  mismatch  of  the  reverse-biased  source-or- 
drain-to-back-gate  diodes,  plus  the  differing  lot-to-lot  variations 
in  breakdown  voltage  of  the  diodes,  it  is  difficult  to  predict  leakage 
or  its  tempco.  However,  maximum  values  at  2S°C  and  over  tem- 
i  and  100%  tested. 

.,  P-CHANNEL  w 

Vdd  diode  .  VDD 


Figure  2.  Equivalent  circuit  of  a  pair  of  adjacent  switches. 

Figure  3  shows  the  factors  affecting  dc  performance  for  the  on 
switch  condition  and  how  the  various  parameters  affect  the  output 
voltage.  Figure  4  shows  typical  curves  of  Ron,  as  they  appear  on 
the  product  data  sheet.  They  indicate  how  Ron,  's  affected,  as  a 
function  of  input  voltage,  by  supply  voltages  and  by  temperature, 
RIN  is  lower  and  less  signal-dependent  at  the  higher  supply  volt- 
ages and  lower  temperatures. 


How  to  minimize  the  influence  of  variable  R0n  on  circuit  & 
racy:  Figure  5  shows  a  problem  circuit— an  inverting  amplifier  with 
four  switched  inputs.  Ron,  m  series  with  the  10-kilohm  input  resis- 
tor, affects  the  circuit  gain.  Even  if  it  is  compensated  for  at  one  level 
of  suply  voltage  and  analog  input  voltage,  the  input's  variations 
will  cause  the  gain  to  change  and  degrade  the  gain  accuracy. 

The  most  obvious  solution-if  the  amplifier  doesn't  have  to  invert 
or  act  as  a  precision  attenuator-is  to  use  the  amplifier  in  a  nonin- 
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verting  mode,  as  shown  in  Figure  6.  Since  there  are  no  resistors  in 
series,  there  is  no  effect  on  gain. 

Another  solution  (Figure  7)  is  to  connect  the  quad  switch  at  the 
amplifier's  summing  point.  Then  the  switch  sees  only  millivolts- 


rather  than  volts-of  signal  variation,  minimizing  the  variation  of 
RON  with  signal.  This  solution  can  impair  bandwidth,  since 
capacitance  Cs  may  require  a  capacitor  in  parallel  with  the  feed- 
back resistor  for  compensation.  Also,  ILkg>  flowing  through  the 
feedback  resistor,  may  cause  significant  error,  depending  on  the 
accuracy  requirements.  (AVOUT  =  ILKG  X  RF). 

Another  possible  solution  is  to  use  larger  values  of  input  and  feed- 
back resistance  (Figure  8).  Then  the  ARON  variations  will  be  small 
compared  to  the  1-  megohm  load.  However,  bandwidth  will  be  af- 
fected by  the  larger  R-C  time  constants. 

Figures  7  and  8  do  not  compensate  for  the  effects  of  variation  of 
Ron  with  temperature.  A  circuit  that  provides  good  compensation 
(Figure  9)  uses  one  of  the  switches,  wired  on,  in  series  with  the 

r_s»,TCH 

1     A  1 

I  pj  Ilkg  =  Id  or  is  on 

«-W\r 


J-OVoUT 
Rload 


.1  i  lLKor  "ta^iSojLiSall 


Rload  Ron 


+Won  ] 


Figure  3.  Effective  circuit  of  switch  in  the  ON  condition. 
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b.  Ron  vs.  Vq  (Vs),  as  a  function  of  temperature. 

Figure  4.  Ron  vs.  input  voltage  as  a  function  of 
supply  voltage  and  temperature. 


feedback  resistor.  Its  RON  will  tend  to  track  that  of  the  other 
switches  on  the  same  substrate  with  temperature;  thus  the  feed- 
back and  input  resistances  will  tend  to  track  quite  well,  keeping 
the  gain  constant. 

The  principal  dc  effect  in  the  switch  off  condition  is  that  of  ILKg 
(Id  off  or  h  off),  which  will  bias  the  output  of  a  circuit  by  ILrg 
x  RL.  Polarity  of  the  error  is  determined  by  the  dominant  leakage 
polarity  of  a  given  switch. 


♦10V  v,N2 


Figure  5.  Unity-gain  inverter  with  switched  input. 
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Figure  6.  Noninverting  solution. 
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ire  7.  Connecting  switch  at  the  summing  point. 


Figure  8.  Using  larger  values  of  resistance. 
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Figure  9.  Switch  in  series  with  feedback  resistor 
to  compensate  gain. 
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ADG201A/202A  and  ADG221/222  Performance  with  Reduced  Power  Supplies 

by  John  Reidy 


The  ADG201A/202A  and  ADG221/222  are  monolithic 
CMOS  devices  comprising  four  independently  selectable 
switches.  They  are  designed  on  an  enhanced  LC2MOS 
process  and  feature  44V  supply  maximum  rating,  a  signal 
handling  capability  that  extends  to  the  supply  rails,  low 
Ron.  low  leakage  and  low  power  dissipation.  The 
ADG22 1  /222  are  latched  versions  of  the  ADG201 A/202A. 

The  LC2MOS  fabrication  process  enables  these  switches 
to  operate  over  a  wide  range  of  supply  voltages.  They  can 
comfortably  operate  anywhere  in  the  10V  to  15V  single  or 
dual  supply  range,  with  only  a  slight  degradation  in  per- 
formance. This  application  note  discusses  the  variation  in 
switch  characteristics  over  this  power  supply  range  and 
contains  graphs  showing  all  the  relevant  performance 
curves.  All  test  circuits  and  test  conditions  used  to  gener- 
ate these  curves  are  contained  in  the  data  sheets. 

SWITCH  ON-RESISTANCE,  Ron 

The  switch  R0n  is  defined  by  the  parallel  combination  of 
the  P  and  N  channel  devices  of  the  output  switch  (See  Fig- 
ure 1).  The  gates  of  these  devices  are  connected  to  the 
supply  rails.  Variations  in  the  supply  voltage  will  vary  the 
gate  drive  and  affect  the  switch  Ron. 

The 

Ron  sensitivity 

is  about  5fl/V  for  single  supply  and  3ft/V  for  dual  supply 
in  the  1 0V  to  1 5V  supply  range.  See  Figures  2  to  5. 
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Figure  2.  RON  as  a  Function  of  VD  <VS):  Dual  ±  15 
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Figure  3.  RON  AS  A  Function  of  VD  <VS):  Single  +  15V 
Supply 
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Figure  1.  Output  Switch  Schematic 
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Figure  4.  RON  as  a  Function  of  VD  (Vs):  Dual  ±  WV 
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Figure  5.  R0n  as  a  Function  of  VD  (Vs):  Single  +  10V 
Supply 

LEAKAGE  CURRENTS  ls(OFF),  lD(OFF>,  lD(ON) 

ls(OFF),  Id(OFF)  and  lD(ON)  are  caused  by  reverse  bias 
diode  leakage.  Worst  case  conditions  occur  at  maximum 
stress  voltages,  and  therefore,  leakage  currents  reduce  as 
the  supply  voltages  reduce.  The  data  sheet  specified 
values  at  ±15V  are  lOOnA  for  lD(OFF)  and  ls(OFF)  and 
200nA  for  lD(ON)  over  the  0  to  +70°C  temperature  range. 
In  reality,  these  leakage  currents  are  much  lower,  and  are 
in  the  1nA  region  in  the  0  to  +70°C  temperature  range. 
Since  they  improve  with  reduced  supply  voltages,  actual 
leakage  values  are  very  small  and  difficultto  measure  pre- 
cisely. The  data  sheet  specification  is  a  very  conservative 
one  and  all  these  leakage  currents  remain  well  within  this 
specification  over  the  0  to  +  70°C  temperature  range  with 
reduced  supplies. 

DIGITAL  INPUT  TRIGGER  LEVELS 

Figure  6  shows  the  digital  input  schematic.  An  internal  5V 
generator  provides  a  reference  for  all  the  digital  inputs. 
This  generator  is  immune  to  any  variations  in  VSs,  and 
exhibits  only  very  minor  variations  with  VDD.  Typical 
changes  in  the  input  thresholds  is  80mV,  for  10V  to  15V 
power  supply  variation.  They  remain  well  within  standard 
TTL  levels  (<0.8V=Logic  Low;  >2.4V  =  Logic  High).  See 
Figure  7. 

v™, 


11  12  13  14 

SUPPLY  VOLTAGE  -  VOLTS 


Figure  6.  Digital  Input  Schematic 
SWITCH  TIMING  (tON.  toFF,  to  pen) 

These  are  determined  both  by  the  input  logic  delays  and 
the  switch  circuitry  delays.  The  input  logic  timing  versus 
power  supply  voltage  remains  fixed  because  of  the  inter- 
nal 5V  generator.  Any  variation  in  this  timing  is  due  only 


Figure  7.  Trigger  Levels  vs.  Power  Supply  Voltage, 
Dual  or  Single  Supply  Voltage 

to  the  output  switch  circuitry  and  is  confined  to  a  40ns 
change  in  the  10V  to  15V  range.  See  Figures  8  to  11. 

LATCH  TIMING  (tw,  ts,  tH,  ADG221/222  ONLY) 

These  parameters  are  determined  by  the  input  circuitry 
only  and  remain  constant  over  the  10V  to  15V  power  sup- 
ply variation. 
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Figure  8.  t0N  vs.  Supply  Voltage,  (Dual  Supply) 
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Figure  9.  tON  vs.  Supply  Voltage,  (Single  Supply) 
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Figure  10.  tOFF  vs.  Supply  Voltage,  (Dual  Supply) 
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Figure  7  7.  t0FF  vs.  Supply  Voltage,  /Single  Supply) 
DYNAMIC  CHARACTERISTICS 

Off  Isolation  and  channel-to-channel  crosstalk  are  deter- 
mined by  stray  capacitances.  Some  of  these  stray  capaci- 
tances are  junction  diode  capacitances  and  their  values 
are  modulated  by  the  power  supply  voltage.  However,  the 
dominant  influence  is  the  package  stray  capacitance  and 
these  are  immune  to  power  supply  variations.  The  net  ef- 
fect is  that  the  switch  AC  performance  does  not  alter  with 
the  power  supply.  See  Figure  12. 
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Figure  12.  Off  Isolation  and  Channel-to-Channel 
Crosstalk  vs.  Supply  Voltage 


CHARGE  INJECTION 

Charge  Injection  is  caused  by  capacitive  coupling  be- 
tween the  digital  control  and  the  source  and  drain  pins. 
When  the  digital  inputs  change,  there  is  a  corresponding 
level  shifted  change  in  the  gates  of  the  output  switches 
(see  Figure  6).  This  injects  charge  into  the  signal  line.  The 
amount  of  charge  injected  depends  on  the  source  voltage 
(Vs).  The  data  sheet  specification  is  20  coulombs  and  is 
measu  red  for  Vs  =  0V. 

Figures  13  and  14  show  how  charge  injection  varies  with 
Source  Voltage  for  both  10Vand  15V  power  supplies. 
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Figure  13.  Charge  Injection  vs.  Source  Voltage  (Vs)  for 
Dual  and  Single  15V  Supplies 
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Figure  14.  Charge  Injection  vs.  Source  Voltage  for  Dual 
and  Single  10V  Supplies 


POWER  SUPPLY  CURRENT 

Both  lDD  and  lSs  are  directly  proportional  to  the  supply 
voltage.  The  values  of  these  parameters  decrease  with  re- 
duced supply  voltages,  and  thus  they  remain  well  within 
specification  for  a  15V  to  10V  power  supply  range.  See 
Figures  15to  17. 
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Figure  15.  lDo  vs.  Supply  Voltage,  (Dual  Supply) 
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Figure  16.  Iss  vs.  Supply  Voltage,  (Dual  Supply) 
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Figure  17.  IDD  vs.  Supply  Voltage,  (Single  Supply) 
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Single  Supply  Operation  of  JFET  Multiplexers 


INTRODUCTION 

In  addition  to  normal  operation  (+/-supplies),  the  ADI  family 
of  JFET  multiplexers  (MUX-08/88,  MUX-24,  MUX-16,  and 
MUX-28)  performs  quite  well  in  single  supply  systems.  This 
Application  Note  explains  single  supply  operation  as  it  ap- 
plies to  JFET  and  CMOS  multiplexers.  Common  requirements 
are  in  battery-operated  systems  and  in  microprocessor- 
based,  single  supply  data  acquisition  systems.  JFET  and 
CMOS  devices  are  compared  for  RDn  variation  versus  power 
supply  voltage  (Vs),  then  settling  times. 


JFET  VARIATION  OF  Ron  WITH  Vs  (MUX-08) 

Figure  2  shows  the  test  circuit  and  defines  the  test  conditions 
(MUX-08).  Figure  3  shows  the  performance  of  a  MUX-08  driv- 
ing a  1kfi  load.  The  positive  voltage  should  be  1.10V  and  the 
negative  voltage  should  be  -0.4V.  The  reason  for  the  output 
voltages  being  less  (magnitude)  than  the  above  is  due  to  the 
Ron  °f  the  multiplexer  switches.  Curves  1  and  2  show  that  Rqi 
does  not  vary  as  Vs  varies  from  +5V  to  +15V. 


CONNECTIONS  FOR  SINGLE  SUPPLY 
OPERATION 

Figure  1  shows  single  supply  connections  for  the  entire  ADI 
JFET  multiplexer  family.  Each  multiplexer  handles  0  to  +10V 
signals  with  a  +  15V  supply.  The  signal  range  is  conservatively 
rated  to  be  (Vs  -  4V)  as  a  maximum,  and  zero  volt  as  a 
minimum.  
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Figure  2.  Test  Circuit 


Figure  3.  JFET  Variation  of  R0N  with  Vs 


Figure  1.  JFET  Multiplexer  Single  Supply  Connections 
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CMOS  VARIATION  OF  Ron  WITH  Vs 
(508  Pin-Compatible  Device) 

The  CMOS  multiplexer  (connected  as  shown  in  Figure  4) 
does  show  a  variation  in  R0n  as  Vs  is  varied  from  +6V  to 
+  15V.  This  is  evidenced  by  the  curves  shown  in  Figures.  Note 
that  while  the  positive  peak  voltages  in  Figure  3  are  the  same 
tor  both  curves,  the  peaks  differ  in  Figure  5. 

One  very  important  consideration  when  choosing  a  multi- 
plexer is  the  nonlinearity  (or  distortion)  introduced  by  the 
switch  when  it  is  ON.  What  is  important  is  the  change  in  Ron 
which  occurs  because  of  external  variations  such  as  power 
supplies.  In  particular,  the  variation  in  R0n  shown  in  Figure  3 
is  148  ohms.  The  Rons'  Vs  = +6V  is  1000  ohms,  while  its  value 
at  Vs  =  +15V  is  only  852  ohms.  A  change  of  148  ohms  repre- 
sents a  1.48%  error  if  the  load  resistor  is  10,000  ohms.  In 
battery-operated  systems  (which  is  what  a  lot  of  single  supply 
applications  are),  distortion  due  to  power  supply  variations  is 
generally  not  acceptable. 


Figure  4.  Test  Circuit 


CURVE  1:  VS=  +15V 
CURVE  2:  VS»+6V 







Figure  5.  CMOS  variation  of  R0N  with  Vs 


CMOS  vs  JFET  —  EFFECT  OF  R0n 
ON  SETTLING  TIME 

Figure  6  defines  the  test  conditions  used  for  the  JFET  and 
CMOS  multiplexer  curves  shown  in  Figure  /  In  this  case,  RLis 
large  enough  so  that  the  output  voltages  will  reach  the  input 
voltage  levels.  Note  that  MUX-08  does  just  that,  while  the 
CMOS  multiplexer  does  not  reach  the  final  value. 

The  problem  is  settling  time,  and  occurs  because  the  Ron  of 
the  CMOS  device  is  considerably  larger  than  the  MUX-08  (852 
ohms  as  opposed  to  250  ohms).  A  final  note  concerns  the  fact 
that  the  multiplexers  are  switching  signals  at  400mV  more 
negative  than  the  negative  supply  voltage  without  appreciable 
distortion.  In  no  circumstances  should  the  input  exceed  one 
diode  voltage  below  the  negative  supply  voltage. 
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Figure  6.  Test  Circuit 


CURVE  1:  MUX-08 
CURVE  2:  CMOS 


Figure  7.  CMOS  vs  JFET  Settling  Time  (Unloaded 
Output  Voltage) 

CONCLUSION 

The  information  presented  has  shown  how  JFET  multiplexers 
handle  analog  inputs  in  single  supply  systems,  with  R0n  inde- 
pendent of  power  supply  variations,  and  with  fast  settling 
time. 
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Overvoltage  Protection  for  the  ADG5XXA  Multiplexer  Series 

by  Dan  Sheehan 


The  ADG5XXA*  multiplexer  series  is  a  family  of  single 
8/16  channel  and  dual  4/8  channel  parts.  They  are  avail- 
able in  both  latched  (ADG52XA)  and  unlatched 
(ADG50XA)  versions.  These  are  high  performance  mul- 
tiplexers that  offer  the  following  notable  features:  spec- 
ifications for  both  single  and  dual  supply  operation,  1  nA 
max  leakage  current,  200ns  max  turn-on  and  turn-off 
times  and  TTL  compatibility  with  reduced  single  or  dual 
supplies  down  to  5V. 

The  multiplexers  are  specified  to  operate  with  an  analog 
input  signal  range  within  the  supply  rails,  i.e.,  VsssVs 
(VD)«VDD.  The  parts  are  not  internally  overvoltage  pro- 
tected (  i.e., with  resistors)  to  allow  Vs  (VD)  to  exceed  the 
power  supply  rails.  Thus,  the  ADG5XXA  series,  without 
external  overvoltage  protection,  is  best  suited  for  use  in 
systems  where  the  analog  input  signals  come  from 
sources  within  the  system,  such  as  from  op  amps  pow- 
ered from  the  same  supplies  as  the  multiplexers. 

However,  in  many  applications  such  as  process  control 
systems,  the  analog  input  signals  can  originate  from 
sources  external  to  the  system  which  contains  the  mul- 
tiplexer.This  can  be  potentially  destructive  to  the  multi- 
plexer for  two  principal  reasons: 

1.  The  multiplexer  power  supplies  may  be  turned  off 
while  the  analog  signals  are  still  present. 

2.  The  signal  lines  may  receive  induced  voltage  spikes 
which  exceed  the  supplies  to  the  multiplexer. 

This  application  note  addresses  the  above  problems  and 
outlines  the  protection  circuitry  required  to  allow  the 
analog  input  signals  to  exceed  the  supply  rails  over  the 
-40°C  to  +85°C  temperature  range. 

OVERVOLTAGE  PROTECTION:  WHY? 

The  following  is  a  brief  and  simplified  analysis  of  what 
happens  when  a  signal  applied  to  the  S(D)  input  of  the 
multiplexer  exceeds  the  power  supply  rails.  The  results 
outlined  apply  equally  with  the  power  supply  rails  at 
±15V  or  GND. 


•ADG506A/ADG507A,  ADG508A/ADG509A, 
ADG526A/ADG527A,  ADG528A/ADG529A. 


The  basic  CMOS  switch  consists  of  an  n-channel 
MOSFET  in  parallel  with  a  p-channel  MOSFET.  This 
structure  which  yields  an  excellent  analog  switch  con- 
tains p-n  junctions  between  the  signal  path  and  power 
supplies.  These  p-n  junctions  or  diodes  are  reverse  bi- 
ased under  normal  operating  conditions,  i.e.,  VsssVs 
(VD)=sVDD.  However,  if  Vs  (VD)  exceeds  either  power  sup- 
ply rail  by  approximately  0.7V,  the  normally  reverse  bi- 
ased junctions  will  become  forward  biased.  This  means 
that  with  an  analog  input  overvoltage,  the  S(D)  input  of 
the  multiplexer  will  appear  as  a  diode  connected  to  the 
relevant  power  supply  voltage.  Therefore,  VS(VD)  is 
clamped  to  a  maximum  of  0.7V  greater  than  either  sup- 
ply rail  and  large  currents  can  flow  that  will  destroy  the 
parts  unless  restricted.  The  simplest  form  of  protection 
uses  resistors  in  series  with  the  S  (D)  inputs  to  limit  the 
input  current  to  safe  levels. 


PROTECTING  TYPICAL  MULTIPLEXER  APPLICATION 
CIRCUITS 

This  section  shows  two  typical  multiplexer  application 
circuits  and  outlines  the  operating  conditions  and  pro- 
tection circuitry  required  for  the  safe  operation  of  the 
parts  with  an  overvoltage  on  the  analog  inputs.  The 
ADG506A  is  shown  in  both  circuits  but  the  same  condi- 
tions and  results  apply  to  any  part  in  ADG5XXA  series. 


Generic  Multiplexer  Circuit 

Figure  1  shows  the  general  use  of  a  multiplexer.  R1-R16 
(2.7kil)  provide  overvoltage  protection. 


NOTES 

'DIGITAL  CIRCUITRY  OMITTED  FOR 
CLARITY. 

'O.VF  DECOUPLING  CAPACITORS  ARE 
RECOMMENDED  WITH  OVERVOLTAGE 
CONDITIONS. 
*1kn  MIN. 
40.1nF  MAX. 


Figure  1.  ADG506A  Multiplexer  Circuit 

MULTIPLEXERS  AND  SWITCHES    12-1 1 


The  series  resistors  are  sufficient  to  protect  the  multi- 
plexer over  the  -40°C  to  +85°C  temperature  range  un- 
der the  following  conditions: 

•  VDD/VSS  =  GND  with  ±15V  max  applied  continuously 
to  all  the  analog  inputs  (V,N1  -  V,N16). 

With  the  supplies  at  GND,  Vs  and  VD  are  clamped  to 
±0.7V  max.  The  total  analog  input  current  (l,N1  -  l,N16) 
is  limited  to  85mA  max  ([14.3V/2.7kn]x16). 

Power  on/off  is  also  allowed  with  V,N1  -  V,N16  =  ±15V, 
but  VDD  and  Vss  must  power  on/off  within  0.5  seconds 
max  of  each  other.  The  protection  outlined  is  ade- 
quate with  power  supplies  that  remain  low  impedance 
in  the  off  state.  However,  if  the  supplies  go  high  im- 
pedance or  open  circuit  in  the  off  state,  additional 
protection  such  as  15V  TransZorbs*  connected  from 
both  VDD  and  Vss  to  GND  is  recommended.  The 
TransZorbs  are  recommended  to  suppress  any  tran- 
sient voltages  exceeding  the  Absolute  Maximum  Rat- 
ings of  the  multiplexer.  Excessive  transients  com- 
monly occur  when  powering-on  supplies  that  are  high 
impedance  or  open  circuit  in  the  off  condition. 

•  vdlAss  =+15V/-15V  with  ±35V  max  applied  for  a 
duration  of  50ms  max  (voltage  spike,10%  duty  cycle) 
to  all  analog  inputs  simultaneously. 

Under  this  condition,  Vs  and  VD  are  clamped  to 
±  15.7V  max. 

•  VDDA/SS= +  15V/-15V  with  ±35V  max  applied  contin- 
uously to  any  one  analog  input  (V,N1  -  V,N16). 

De-Multiplexer  Circuit 

Figure  2  shows  a  typical  de-multiplexer  circuit.  In  this 
application  it  is  used  to  provide  a  16-channel  sample- 
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and-hold  circuit,  allowing  16  separate  digitally  program- 
mable voltages  to  be  generated  from  the  output  of  a 
single  DAC. 

RIN  (220fl)  provides  the  necessary  overvoltage  protec- 
tion.This  protection  is  required  if,  for  example,  the  sup- 
plies to  the  multiplexer  are  turned  off  but  the  supplies  to 
the  DAC  are  still  present  (e.g.,  separate  supplies).  How- 
ever, the  multiplexer  is  sufficiently  robust  when 
powered-off  to  allow  the  stored  charge  on  C1  -  C16 
(0.1  llF  max)  to  discharge  through  it  without  causing  fail- 
ure. The  protection  outlined  applies  over  the  -40°C  to 
+85°C  temperature  range  for  the  following  condition: 

•  VDDA/SS  =  GND  with  ±15V  max  applied  continuously 
to  VIN. 

With  this  condition,  Vs  and  VD  are  clamped  to  ±0.7V 
max.  IIN  is  limited  to  65mA  max  (14.3V/220n).  In  gen- 
eral, R|N  is  not  required  because  the  output  short  cir- 
cuit current  of  an  op  amp  or  a  voltage  output  DAC  is 
limited  to  less  than  65mA. 

Power  on/off  is  also  allowed  (0.5  second  max  timing 
skew)  with  V,N=±15V.  If  the  supplies  go  high  imped- 
ance or  open  circuit  in  the  off  condition,  15V  Trans- 
Zorbs should  be  connected  from  VDD  and  Vss  to  GND. 

ADVANTAGES  OF  EXTERNAL  PROTECTION 

The  overvoltage  protection  outlined  above  uses  external 
current  limiting  resistors  in  series  with  the  S  (D)  inputs 
of  the  multiplexer.  These  resistors  could  also  be  incor- 
porated on-board  the  die  of  the  multiplexer,  but  this 
would  lead  to  power  dissipation  problems  and  therefore 
restrict  the  overvoltage  amplitude  allowed.  Overvoltage 
protected  multiplexers  from  some  manufacturers  use 
on-chip  resistors  (with  the  associated  power  dissipation 
problem),  but  these  are  employed  to  protect  the  S  inputs 
only.  This  means  that  in  the  de-multiplexer  application 
shown  in  Figure  2,  an  external  resistor  (R,N)  is  still  re- 
quired if  the  source  of  V,N  can  supply  greater  than  65mA. 
In  this  instance,  on-chip  resistors  actually  cause  prob- 
lems by  increasing  the  settling  time  of  the  sample-and- 
holds.  In  conclusion,  external  versus  internal  protection 
is  preferable  for  the  two  reasons  outlined  above. 

Note:  The  information  furnished  in  this  application  note 
is  believed  to  be  accurate  and  reliable.  It  is  based  on 
experimental  results  from  three  fabrication  lots.  How- 
ever, no  responsibility  is  assumed  by  Analog  Devices  for 
its  use. 


Figure  2.  ADG506A  De-Multiplexer  Circuit 

"TransZorb  is  a  trademark  of  General  Semiconductor  Industries, 
Inc. 
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Understanding  Crosstalk  in  Analog  Multiplexers 


INTRODUCTION 

One  of  the  most  troublesome  errors  in  analog  multiplexers 
is  crosstalk.  Various  schemes  have  been  devised  to  reduce 
its  effects.  One  designer  will  terminate  the  multiplexer  in  a 
10kSi  resistive  impedance.  Another  will  short  the  multiplexer 
node  to  ground  between  address  changes  with  an  analog 
switch.  A  third  engineer  will  terminate  the  multiplexer  node 
in  1Mfi  because  he  doesn't  want  to  live  with  the  attenuation 
which  comes  about  with  any  lower  impedance.  What  is  con- 
founding about  these  three  situations  is  that  the  solution  is 
correct  in  each  case.  THE  CORRECT  SOLUTION  IS  DIC- 
TATED BY  THE  APPLICATION. 

To  understand  why  the  solution  is  application  dependent,  it 
is  necessary  to  dig  rather  deeply  into  what  crosstalk  really 
is.  When  this  is  done,  crosstalk  is  found  to  have  not  one,  but 
three  components  in  a  multiplexer.  To  differentiate  the  com- 
ponents one  from  the  other,  it  is  convenient  to  give  them 
names: 

1.  Static  crosstalk  (CT) 

2.  Dynamic  crosstalk  (DCT) 

3.  Adjacent  Channel  crosstalk  (ACCT) 

This  application  note  explains  the  three  crosstalk  com- 
ponents qualitatively  and  quantitatively.  The  qualitative 
discussion  tells  what  component(s)  should  be  considered  in 
various  applications.  The  quantitative  discussion  uses  both 
theoretical  and  empirical  information  to  arrive  at  conclu- 
sions about  what  performance  should  be  expected. 

STATIC  CROSSTALK  (CT) 

To  introduce  the  concept  of  crosstalk,  Figure  1  is  helpful.  A 
basic  analog  switch  may  be  constructed  with  a  FET  (JFET  or 
CMOS)  and  a  suitable  driver  which  switches  it  OFF  and  ON,  as 
shown  in  Figure  1a.  The  equivalent  circuit,  as  shown  in  Figure 
1  b,  models  the  analog  switch  such  that  when  the  ideal  switch 
(SW)  is  closed,  the  switch  has  an  ON  resistance  R0n-  When 
SW  is  open,  the  OFF  impedance  is  determined  by  Ceq-  A 
two-channel  multiplexer  circuit,  made  up  of  two  analog 
switches  connected  as  shown  in  Figure  1c,  shows  how  sig- 
nals from  one  channel  can  be  coupled  into  the  other  channel. 
Theoretically,  V0ut  consists  of  e,  modified  by  the  resistor 
divider  formed  by  Rom  and  RL  (assumes  reactance  of  CLis> 
RL).  However,  the  capacitance  of  switch  number  two  (CEQ2) 
does  couple  some  portion  of  e2  into  V0ut-  This  is  the  simplest 
example  of  crosstalk. 

The  model  which  explains  static  crosstalk  is  relatively  simple 
and  may  be  derived  from  the  OFF  isolation  model.  Figure  2a 
shows  the  OFF  isolation  model  as  capacitive  coupling  from 
the  input  to  the  output  of  an  OFF  switch.  This  condition  may 
be  duplicated  in  Figure  1c  by  opening  SW,  and  setting  e2  =  0. 
Coupling  from  input  to  output  is  accomplished  through  CEQ, 
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(b)  ANALOG  SWITCH  EQUIVALENT  CIRCUIT 


^VA  f  O  DRAIN 


(c)  2-CHANNEL  MULTIPLEXER 

CEQ1 


Figure  1.  Essentials  of  an  Analog  Multiplexer 
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and  this  parameter  may  be  computed  from  measurements 
of  Vim,  Vout,  and  frequency.  In  the  case  of  static  crosstalk, 
CEq  is  shown  coupling  into  a  parallel  combination  of  Ron 
with  RL  and  C[_  (Figure  2b).  The  two  channel  multiplexer 
shown  in  Figure  1c  reduces  to  the  circuit  in  Figure  2b,  where 
e-,  =  0,  e2  =  V|N,  and  CEQ  is  the  coupling  capacitance  from 
e2  to  Vout- 

Since  RL  is  generally  10kll  or  more,  and  typical  analog 
switches  are  less  than  1  kfi,  static  crosstalk  is  much  smaller 
than  OFF  isolation.  The  crosstalk  and  OFF  isolation  numbers 
quoted  on  analog  multiplexer  data  sheets  are  derived  from  the 
models  shown  in  Figure  2.  Unfortunately  the  one  component 
of  crosstalk  specified  is  the  least  troublesome  of  the  three. 
However  the  crosstalk  figures  on  data  sheets  will  alert  the 
designer  to  those  devices  which  absolutely  will  not  satisfy  his 
requirements. 

There  are  applications  where  the  static  crosstalk  specification 
given  on  data  sheets  is  adequate.  When  the  multiplexer  is 
being  used  as  a  one-of-many  switch,  and  is  not  being  cycled 
through  all  channels  on  an  automatic  basis,  then  the  static 
crosstalk  component  will  give  accurate  prediction  of  the 
actual  performance.  Examples  of  such  applications  are: 

1.  Audio/Video  Selector  Switch 

2.  Programmable  Gain  Amplifier 

3.  Programmable  Power  Supply 
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"OFF"  ISOLATION  (IS0OFF) 

The  proportionate  amount  of  a  high  frequency  analog  input 
signal  which  is  coupled  through  the  channel  of  an  "OFF" 
device.  This  feedthrough  is  transmitted  through  CDS(0FF|  to  a 
load  comprised  of  C^oppj  in  parallel  with  an  external  load. 
Isolation  generally  decreases  by  6dB/octave  with  increasing 
frequency. 

(b)  STATIC  CROSSTALK  EQUIVALENT  CIRCUIT 

<=ED 

"MO    1|  f  f  f  O  "OUT 


CROSSTALK  (CT) 

The  proportionate  amount  of  cross-coupling  from  an  "OFF" 
analog  input  channel  to  the  output  of  another  "ON"  output 
channel. 


1.  Industrial  Process  Control 


Figure  2.  Model  for  Static  Crosstalk 
DYNAMIC  CROSSTALK  (DCT) 

The  dynamic  crosstalk  model  can  be  derived  from  Figure  3. 
The  switch  SW^  represents  one  condition  on  the  multiplexer 
node  (SWt  is  open).  Actually  SW,  is  continually  switching 
between  OFF  and  ON.  This  is  represented  in  Figure  3b.  In 
order  to  reduce  crosstalk,  multiplexers  are  designed  to  have 
break-before-make  switching  so  that  no  two  channels  are 
addressed  at  the  same  time.  The  finite  open  time  of  SW, 
(shown  in  Figure  3b)  represents  the  break-before-make  ac- 
tion. There  are  two  "open"  conditions  on  the  multiplexer 
node  per  cycle  of  the  clock;  thus  the  equivalent  nodal 
resistance  (REQ)  may  be  computed  as  given  in  Figure  3b. 
Table  I  shows  some  typical  values  of  static  and  dynamic 
crosstalk.  Static  crosstalk  values  are  given  in  lines  1  and  12. 
There  is  a  change  in  crosstalk  as  the  clock  frequency  (fCLK) 
is  varied.  Starting  at  line  4  notice  the  variation  in  crosstalk 
as  R|_  is  varied  from  10kQ  to  100kQ  while  fCLK  remains  con- 
stant at  100kHz.  While  Table  I  yields  some  theoretical 
values  which  give  insight  into  the  operation  of  dynamic 
crosstalk,  a  working  multiplexer  will  have  different  values  of 
fcLK  with  respect  to  the  maximum  value  of  fSiG-  Tne  real 
world  situation  will  be  analyzed  in  a  later  section  of  this 
paper. 

Examples  of  multiplexer  applications  which  are  dynamic  in 
nature  are: 


(a)  DYNAMIC  CROSSTALK  EQUIVALENT  CIRCUIT 

CEQ 

V,„  o  1|  


NOTE:  SWI  is  a  time  dependent  switch.  Its  characteristic  is  shown  in 
Figure  3b. 
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OPEN  OPEN 


R__Jl_flr 


SWITCH  -  SWI 


Ts  Period  of  address  clock 
TBRKs  Break-Before-Make  Time 

If  RL>R0N,  Req,Ron(T-2Tbf,k)  +  2RlTbrk 


Figure  3.  Model  for  Dynamic  Crosstalk 

Table  1.  Computed  Values  of  Static  and  Dynamic  Crosstalk 

REQ  CEQ 


LINE     lSIG  fCLK 


CROSS- 
TALK 


NO. 

Hz 

Hz 

rsec 

/tsec 

OHMS  OHMS  OHMS 

PF 

dB 

1 

10K 

0 

0.80 

300 

10K 

291 

0.30 

105 

2 

10K 

20K 

50 

0.80 

300 

10K 

602 

0.30 
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70 

12 
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0.80 
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systems  where  each  channel  is  being  continuously  sampled 
and  the  information  for  a  given  channel  is  contained  in  a 
given  time  slot.  In  these  applications,  the  static  crosstalk  is 
almost  meaningless,  since  the  wrong  choice  of  RL  (or  fCLK) 
can  be  disastrous. 

ADJACENT  CHANNEL  CROSSTALK  (ACCT) 

Adjacent  channel  crosstalk  is  the  most  confusing  compo- 
nent of  crosstalk.  In  addition  to  its  confusing  nature,  in 
some  cases,  it  is  the  most  dominant  component.  While  both 
static  and  dynamic  crosstalk  are  capacitive  in  nature,  i.e., 
they  vary  with  frequency  at  6dB/octave,  the  adjacent  chan- 
nel crosstalk  is  invariant  with  frequency.  In  other  words,  it  is 
possible  to  have  crosstalk  when  multiplexing  DC  signals 
such  as  the  outputs  of  thermocouples,  pressure  trans- 
ducers, etc.  The  parameters  which  must  be  dealt  with  are 
RL,  CL,  Rqn.  and  'clk-  In  addition,  the  break-before-make 
time  ( =  TBRK)  of  the  multiplexer  is  of  importance.  Before  div- 
ing into  the  details  of  this  component  of  crosstalk,  it  will  be 
helpful  to  define  what  is  meant  by  ACCT. 

The  term  "adjacent"  refers  to  time  only.  In  other  words, 
channel  two  is  adjacent  to  channel  one  if  channel  two  im- 
mediately follows  channel  one  in  time  slots.  Since  the  chan- 
nel following  is  the  "adjacent"  channel,  then  channel  one  is 
not  adjacent  to  channel  two,  but  rather  the  other  way 
around.  Figure  4  illustrates  the  concept  of  adjacent  chan- 
nels. Assuming  the  multiplexer  had,  say,  1 V  on  channel  one, 
2V  on  channel  two,  etc.,  then  the  output  would  look  like  the 
curve  labeled  "channel  addressed."  What  is  important 
about  the  waveforms  in  Figure  4  is  the  way  the  adjacent 
channel  (in  time)  is  shown.  Note  that  while  channel  two  is 
adjacent  to  channel  one,  channel  one  is  itself  adjacent  to 
channel  eight. 


Figure  4.  Adjacent  Channel  Concept 

The  fact  that  information  is  "carried  forward"  from  one 
channel  to  the  next  (in  time)  suggests  a  storage  mechanism 
as  causing  ACCT.  Thus  the  multiplexer  nodal  capacitance 
becomes  the  prime  suspect.  Figure  5  illustrates  how  infor- 
mation is  carried  forward  from  one  channel  to  the  next  as 
the  addresses  are  changed.  The  address  code  is  shown  in 
Figure  5a,  while  Figure  5b  shows  the  theoretical  multiplexer 
output.  Note  that  the  even  numbered  channels  have  zero 
volt  on  them,  while  the  odd  channels  have  their  channel 
number  in  volts.  This  arrangement  best  illustrates  how  the 
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Figure  5.  Adjacent  Channel  Crosstalk 

information  is  transferred  to  the  adjacent  channel  (as 
shown  in  Figure  5c).  While  the  theoretical  MUX  output 
switches  from  channel  three  (3  volts)  to  channel  four  (0 
volt)  at  the  moment  of  the  address  change,  note  the  delay 
in  the  actual  MUX  output  caused  by  TBRK.  During  this  time 
the  MUX  node  discharges  along  an  RC  curve  determined  by 
the  load  capacitance  (CL),  and  the  load  resistance  (RL). 
When  the  break-before-make  time  (TBRk)  is  over,  channel 
four  is  turned  ON  and  the  RC  product  is  suddenly  reduced  to 
RonCl-  A  curve  which  details  how  this  all  takes  place  is 
shown  in  Figure  6.  Before  leaving  Figure  5,  the  arrangement 
suggests  a  method  of  avoiding  adjacent  channel  crosstalk. 
In  other  words,  the  alternate  grounding  of  channels  pre- 
vents channel  one  signals  from  reaching  channel  three... 
channel  three  from  reaching  channel  five,  etc. 

The  curve  in  Figure  6a  shows  a  typical  nodal  discharge  for  a 
set  of  real  world  conditions.  The  curve  is  normalized  and 
TBRK  is  chosen  to  be  900nsec.  An  accepted  method  of 
measuring  TBRK  is  from  the  50%  point  of  the  channel  which 
has  been  turned  OFF  to  the  50%  point  of  the  channel  which 
is  being  turned  ON.  This  concept  is  illustrated  in  Figure  6b. 
In  this  case  (Figure  6a)  TBRK  is  measured  from  the  moment 
of  the  address  change.  While  this  is  not  totally  correct,  the 
agreement  between  theoretical  and  actual  results  is  good 
enough  to  justify  the  simpler  model  which  is  derived.  Since 
most  designers  are  interested  in  crosstalk  which  is  less 
than  the  resolution  of  the  discharge  curve,  the  ACCT  vs. 
time  graph  gives  crosstalk  down  to  90dB.  In  other  words,  the 
ACCT  is  down  90dB  in  less  than  1.25^sec. 

Adjacent  channel  crosstalk  is  a  problem  in  every  applica- 
tion where  dynamic  crosstalk  must  be  considered;  however 
there  are  techniques  to  minimize  its  effects.  A  popular  way 
to  diminish  adjacent  channel  crosstalk  is  to  short  the 
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(a)  STORED  CHARGE  ON  MUX  CODE 
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Figure  6.  Stored  Charge  Decay  and  Definition  of  TBRK 

multiplexer  node  to  ground  between  address  changes.  This 
requires  an  additional  analog  switch  which  should  be  fast 
and  have  low  R0n-  An  alternative  approach  to  reducing  adja- 
cent channel  crosstalk  is  to  ground  every  other  channel  in  a 
multiplexer.  This  technique  was  illustrated  in  Figure  5. 

MEASUREMENT  OF  STATIC  CROSSTALK 

Figures  7  and  8  give  the  element  values  for  a  typical  PMI 
JFET  MUX-08  on  channel  three.  In  the  case  shown,  the  OFF 
isolation  was  first  measured  and  found  to  be  75dB.  With  RL 
and  fS|G  known,  then  CEQ  was  calculated.  Once  CEQ  is 
known,  then  REQ  may  be  calculated  from  the  static  cross- 
talk measurement  made  in  Figure  8.  REQ  is  the  parallel  com- 
bination of  RL  and  R0n;  thus  it  is  possible  to  compute  R0n 
and  this  value  is  also  shown  in  Figure  8.  The  measurements 
thus  far  are  relatively  simple  and  only  require  a  voltmeter 
which  is  capable  of  measuring  signals  which  are  100dB 
below  the  reference  signal.  On  the  other  hand,  the  measure- 
ment of  dynamic  crosstalk  is  a  bit  more  involved,  and  re- 
quires a  more  complex  system. 

MEASUREMENT  OF  DYNAMIC  CROSSTALK 

The  crosstalk  measuring  system  shown  in  Figure  9  is  to  be 
used  for  measuring  dynamic  crosstalk.  The  signal  from  M5 
is  fed  into  M1  where  it  is  multiplexed  onto  the  OUT  terminal. 


V,N  O- 


'SIG  " 


-OvOUT 







Figure  7.  Typical  OFF  Isolation  Element  Values 
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Figure  8.  Typical  Static  Crosstalk  Element  Values 

M-f  contains  the  multiplexer  under  test  and  a  decoding  cir- 
cuit. The  decoding  circuit  allows  the  selection  of  any  two 
channels  to  be  used  as  a  two  channel  multiplexer.  M2  is  a 
high-speed  buffer  used  for  driving  the  IN  terminal  of  M3.  M3 
contains  a  multiplexer  operated  in  a  demultiplexer  mode, 
along  with  decoding  circuitry  to  allow  several  combinations 
of  two  channel  demultiplexing.  The  signal  which  appears  on 
S3A  is  fed  through  M4  (high-speed  buffer)  to  M8  for  spectrum 
analysis.  In  short,  if  no  errors  are  introduced  by  the  multi- 
plexer-demultiplexer system,  the  output  should  be  the  same 
as  the  input. 

Since  the  system  in  Figure  9  is  capable  of  measuring 
dynamic  crosstalk,  a  good  check  of  its  performance  is  to 
repeat  the  static  crosstalk  measurements.  M3  is  set  to  have 
IN  connected  to  S3A  at  all  times.  Mi  is  set  to  have  S3  con- 
nected to  OUT,  and  the  signal  thus  measured  is  taken  as  the 
reference  signal.  Static  crosstalk  is  measured  by  connect- 
ing S,  (or  Ss)  to  OUT,  with  V,N  still  applied  to  S3,  and  again 
measuring  V0UT.  The  relative  signal  levels  represent  static 
crosstalk.  This  measuring  technique  was  used  to  verify  the 
accuracy  of  the  system. 

The  measurement  of  dynamic  crosstalk  leaves  M3  exactly 
as  in  the  static  case.  With  V,N  connected  to  S3,  is  switched 
between  S-!  and  S8.  The  signal  frequency  (fS]G)  was  40kHz 
and  fCLK  was  100kHz  (see  Figure  10).  From  the  crosstalk 
measured,  the  equivalent  resistance  (REQ)  is  computed  to  be 
115012  (see  Figure  10a).  To  verify  the  validity  of  this  measure- 
ment, REQ  was  calculated  using  the  formula  in  Figure  10c 
(TBRK  was  measured  separately).  Since  there  is  very  good 
agreement  between  these  two  independently  derived 
values,  both  the  measurement  technique  and  the  dynamic 
crosstalk  model  are  valid. 
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Figure  9.  Dynamic  Crosstalk  Measuring  System 


(a)  TYPICAL  DYNAMIC  CROSSTALK  ELEMENT  VALUES 
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NOTE:  SWI  is  a  time  dependent  switch.  Its  characteristic  is  shown  in 
Figure  10c. 
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Figure  10.  Computed  Dynamic  Crosstalk  for  Actual  Multiplexer 


The  numbers  shown  in  Figure  10  apply  to  the  measurement 
system,  but  are  unlikely  in  a  real  multiplexer.  To  satisfy 
sampling  theory  limitations,  fS|G  must  be  less  than  one-half 
the  sampling  frequency.  Assuming  fCLK  =  200kHz  then  each 
channel  in  a  multiplexer  is  addressed  for  5/tsec.  This  means 
that  it  takes  40>isec  to  sample  all  channels  of  an  eight  chan- 
nel multiplexer.  In  other  words,  each  channel  is  sampled  at 
a  25kHz  rate.  Thus  the  maximum  value  of  fSiG  would  be 
12.5kHz.  Figure  1 0b  gives  values  of  dynamic  crosstalk  (DCT) 
which  would  be  experienced  if  the  values  of  R0N  and  TBRK 
shown  in  Figures  10a  and  10b  were  used.  The  first  DCT  col- 
umn lists  the  values  for  a  CEQ  of  0.13pF  (measured  value  of 
channel  three).  The  second  DCT  column  shows  the  perfor- 


mance for  CEQ  =  0.5pF.  The  purpose  for  the  second  column 
is  to  point  out  how  critical  minimizing  stray  capacitance  is 
to  good  crosstalk  performance. 

MEASUREMENT  OF  ADJACENT  CHANNEL 
CROSSTALK 

The  system  shown  in  Figure  11  was  used  to  measure  adja- 
cent channel  crosstalk  (ACCT).  M-,  drives  the  address  lines 
of  the  MUX  system  and  the  gating  input  of  M4.  By  setting  the 
period  of  M4  (T^  to  10^sec,  the  pulse  rate  out  of  M4  is  con- 
trolled by  the  pulse  rate  of  M,  (<HVsec)  coming  into  the  gate 
input  of  M4.  The  output  of  M4  is  in  the  complement  mode 
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Figure  11.  Adjacent  Channel  Crosstalk  Measuring  System 

because  the  control  input  to  M3  causes  the  S/H  to  HOLD 
when  the  input  is  high  (1).  Thus  the  sample  period  occurs 
during  the  time  P2.  M4  also  can  delay  its  pulse  relative  to 
the  pulse  out  of  M,,  thereby  allowing  measurements  of 
crosstalk  versus  t-i  (start  of  the  sample  time).  This  informa- 
tion is  valuable  because  in  many  systems,  a  sample/hold 
is  used  with  a  successive  approximation  ADC  to  encode 
the  analog  output  of  the  MUX.  As  will  be  shown,  the  ACCT 
can  be  made  negligible  if  a  sufficient  time  elapses  before 
going  to  the  HOLD  mode  for  encoding  the  data.  Since 
"time  is  money,"  the  term  "sufficient  time"  becomes  im- 
portant. 

The  nature  of  sample/holds  and  the  nature  of  spectrum 
analyzers  can  cause  some  apparent  discrepancies  in  the 
data  observed  by  this  measurement  system.  It  is  important 
to  note  the  spectrum  analyzer  "sees"  the  average  of 
everything  that  is  presented  to  its  input  terminals.  While  it  is 
true  the  sample/hold  holds  the  last  value  it  "saw,"  the  spec- 
trum analyzer  also  looks  at  the  signal  present  during  the 
sample/hold's  sample  time.  Thus  the  equation  which  ex- 
presses the  signal  level  present  as  a  function  of  time  must 
also  account  for  the  true  averaging  of  the  spectrum  ana- 
lyzer. Figure  12  shows  the  equations  (12c)  and  the  defini- 
tions of  the  terms  used  in  the  equations  (12a  and  12b).  The 
term  N0  is  the  relative  signal  level  which  the  spectrum  ana- 
lyzer measures.  If  the  model  of  the  signal  decay  shown  in 
Figure  12a  is  the  correct  one  to  explain  the  ACCT,  then  the 
computed  value  of  N0  should  correspond  to  the  measured 
values.  As  will  be  shown  in  Figure  14,  the  agreement  does  in 
fact  justify  the  model;  however  it  was  necessary  to  choose 
the  measurement  conditions  very  carefully. 
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Figure  12.  Predicting  the  Measurement  System  Response 

In  order  to  get  good  correlation  between  lab  data  and 
theoretical  predictions,  it  was  necessary  to  use  fairly  long 
time  constants  (RL  =  22kQ  and  CL  =  1 0OOpF).  With  RL  =  22kn 
and  CL  =  50pF  (R0n  =  3000),  the  theoretical  plot  of  ACCT  (as 
measured  on  the  spectrum  analyzer)  vs.  t,  is  shown  in 
Figure  13.  Note  that  the  data  is  plotted  between  900nsec 
and  1025nsec.  The  curve  shows  that  a  10nsec  error  in  ^  can 
cause  a  6dB  error  in  reading  on  the  spectrum  analyzer.  The 
results  shown  in  Figure  14  confirm  the  necessity  of  using 
large  capacitances  to  obtain  predictable  results.  The  theo- 
retical curve  tracks  the  actual  data  well  in  both  cases; 
however  the  1000pF  curve  is  better  than  the  300pF  curve. 
Notice  that  there  is  good  agreement  both  at  DC  and  at  4kHz. 
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Figure  13.  Measurement  Errors  Due  To  Small  CL 
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Figure  14.  Agreement  Between  Measured  and 
Computed  ACCT 

PREDICTING  AND  CONTROLLING  ADJACENT 
CHANNEL  CROSSTALK 

The  equations  in  Figure  12c  can  be  used  to  predict  how 
much  adjacent  channel  crosstalk  one  might  expect  in  an  ac- 
tual system.  An  all  analog  system  will  follow  the  MUX  with  a 
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Where:  t  =  tH  (Hold  Command  for  Sample/Hold  as 
measured  from  Address  Change  Time) 


Figure  15.  Predicting  Adjacent  Channel  Crosstalk 
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Figure  16.  Computed  ACCT  vs  Time  for  MUX-DEMUX  i 
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demultiplexer,  which  will  have  its  own  break-before-make 
delay.  An  analog  to  digitai  system  will  have  a  sample/hold 
amplifier  in  front  of  the  A/D  converter.  Since  the  equations 
which  apply  to  these  situations  are  different,  they  will  be 
discussed  separately.  Figuie  15  summarizes  the  conditions 
and  the  equations  which  apply  to  them. 

Since  there  is  no  held  voltage,  then  NH  =  0  in  the  multi- 
plexer-demultiplexer system.  This  reduces  N0  to  the  simple 
form  shown  in  equation  (1).  S,  and  S2  follow  in  equations  (2) 
and  (3).  Since  t,  =  TD  (break-before-make  time  of  the  DEMUX), 
that  time  will  have  a  significant  effect  on  ACCT.  The  MUX- 
sample/hold  system  imposes  the  condition  S,  =  S2  =  P2  =  0; 
thus  N0  =  NH.  It  will  be  instructive  to  compare  the  levels  of 
ACCT  in  these  two  systems  versus  their  appropriate  times. 

Figure  16  looks  at  a  "typical"  system  which  will  give  approx- 
imately one  percent  transmission  error  (33kS2  RL  and  3001! 
R0n).  and  has  50pF  CL.  The  value  of  CL  is  somewhat  on  the 
high  side  (20pF  being  typical  for  MUX-08  connected  to  a  buf- 
fer amp),  but  it  does  give  a  conservative  value  for  analysis. 
What  Figure  16  shows  is  rather  startling.  The  adjacent  chan- 
nel crosstalk,  while  inherent  in  the  multiplexer  itself,  can  be 
eliminated  in  both  systems  by  the  proper  timing.  In  the  case 
of  the  sample/hold  it  is  only  necessary  to  delay  the  hold 
command  for  approximately  1.2^sec  to  have  the  ACCT 
vanish  completely.  This  is  no  problem,  since  most  sample/ 
holds  need  at  least  2/isec  to  accurately  acquire  the  signal 
(this  is  particularly  true  of  monolithic  devices).  The  plot  for 
the  MUX-DEMUX  system  relates  to  TD,  which  is  not  ad- 
justable for  a  given  DEMUX.  What  is  possible  is  to  add  some 
delay  to  the  address  change  for  the  DEMUX.  In  this  way,  the 
DEMUX  will  not  "look"  at  the  MUX  output  until  the  charge 
from  the  previous  channel  has  had  a  chance  to  dissipate. 

CONCLUSION 

Table  II  summarizes  the  forms  of  crosstalk  and  lists  ways  of 
coping  with  them.  Reduction  of  R0n  is  helpful  in  all  three 
cases.  While  TBRK  should  be  minimized  as  much  as  possible, 
it  is  important  that  no  two  channels  are  ON  at  the  same 
time.  In  some  cases,  TBRK  is  chosen  such  that  even  over 
temperature  extremes,  the  break-before-make  feature  is 
maintained.  Since  all  three  components  of  crosstalk  are  pre- 
sent in  a  dynamic  multiplexer,  the  "careful  circuit  board 


Table  2.  How  to  Handle  Crosstalk 


Crosstalk 
Component 


Variation 
with  fs,G 


Ways  to  Minimize  Effects 


Static  6dB/octave     •  Minimize  R0N 

•  Reduce  stray  capacitance  (CEQ) 
by  caretul  circuit  board  layout. 


Dynamic 


Minimize  R0N 

•  Minimize  fCLK 

•  Minimize  TBnK,  but  TBRK>0  is 
needed  to  prevent  shorting 
channels  together. 

•  Minimize  RL 

•  Reduce  stray  capacitance  (CEQ) 
by  careful  circuit  board  layout. 


Adjacent 
Channel 


NONE 


•  Minimize  R0N 

•  Minimize  fCLK 

•  Minimize  TBRK,  but  TBRK>0  is 
needed  to  prevent  shorting 
channels  together. 

•  Minimize  RL  and  CL 

•  WAIT  before  allowing  sample/ 
hold  or  DEMUX  to  measure  MUX 


layout"  is  important  even  though  it  is  not  listed  in  the  ACCT 
section. 

This  paper  has  pointed  out  the  fact  that  static  crosstalk 
(given  on  multiplexer  data  sheets)  is  only  one  of  the  three 
components  of  crosstalk.  The  models  for  static  and  dynamic 
crosstalk  are  relatively  simple  and  were  discussed  to  show 
how  they  are  related.  The  most  troublesome  component  of 
crosstalk  (adjacent  channel  crosstalk)  was  shown  not  to  be 
quite  so  straight-forward.  For  one  thing,  adjacent  channel 
crosstalk  (ACCT)  is  not  signal  frequency  dependent  as  are 
CT  and  DCT.  The  mechanism  which  governs  this  form  of 
crosstalk  is  stored  charge  on  the  MUX  node.  While  CT  and 
DCT  must  be  minimized  by  careful  layout  and  once  present 
in  the  multiplexer  cannot  be  reduced,  such  is  not  the  case 
with  ACCT.  Even  though  ACCT  is  present  in  the  multiplexer, 
the  proper  timing  of  demultiplexer  or  sample/hold  commands 
can  effectively  eliminate  ACCT  from  the  total  system. 
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Bandwidth,  OFF  Isolation  and  Crosstalk  Performance 
of  the  ADG5XXA  Multiplexer  Series 


by  Dan  Sheehan  and  Matt  Smith 


The  ADG5XXA*  multiplexer  series  is  a  family  of  single 
8/16  channel  and  dual  4/8  channel  parts.  They  are  avail- 
able in  both  latched  (ADG52XA)  and  unlatched 
(ADG50XA)  versions.  These  are  high  performance  mul- 
tiplexers that  offer  the  following  notable  features:  spec- 
ifications for  both  single  and  dual  supply  operation,  1  nA 
max  leakage  current,  200  ns  max  turn-on  and  turn-off 
times  and  TTL  compatibility  with  reduced  single  or  dual 
supplies  down  to  5  V. 

Multiplexers  are  widely  used  on  the  front  end  of  data 
acquisition  systems  where  there  is  an  ever  increasing 
requirement  for  higher  accuracy.  This  requirement,  cou- 
pled with  the  availability  of  increased  resolution  A/D 
converters  that  are  capable  of  digitizing  higher  fre- 
quency signals,  has  dramatically  heightened  the  need 
for  a  good  understanding  of  the  ac  performance  charac- 
teristics of  multiplexers.  Also,  to  be  able  to  apply  the 
multiplexers  in  applications  such  as  RF,  radar  and  video 
switching,  the  ac  performance  characteristics  must  be 
understood.  The  ac  parameters  of  interest  in  a  multi- 
plexer are  its  varying  impedance  characteristics  versus 
frequency  and  are  principally  bandwidth,  off  isolation 
and  crosstalk. 

Although  the  multiplexers  of  the  ADG5XXA  series  are 
low  cost,  general  purpose  parts,  their  ability  to  switch 
high  frequency  signals  is  excellent.  The  parts  are  fabri- 
cated in  Linear  Compatible  CMOS  (LC2MOS),  an 
advanced  process  that  features  very  low  parasitic  capac- 
itances and,  consequently,  improved  bandwidth,  off  iso- 
lation  and  crosstalk  performance. 

This  application  note  investigates  the  bandwidth,  off  iso- 
lation and  crosstalk  of  the  ADG5XXA  series  from  a  prac- 
tical engineering  viewpoint  by  presenting  typical  appli- 
cation circuits  with  results,  over  the  dc  to  20  MHz 
frequency  range.  The  emphasis  is  very  much  on  practi- 
calities and  so  the  results  are  stated  rather  than  derived, 
though  it  is  intended  that  the  reader  will  gain  some 
insight  into  the  mechanisms  which  affect  the  high  fre- 
quency performance  of  the  multiplexers. 

•ADG506A/ADG507A,  ADG508A/ADG509A,  ADG526A/ADG527A, 
ADG528A/ADG529A. 


MULTIPLEXER  EQUIVALENT  CIRCUIT 

A  simplified  ac  equivalent  circuit  for  a  pair  of  adjacent 
switches  in  a  multiplexer  is  shown  in  Figure  1.  For  high 
frequency  applications  it  is  essential  that  the  parasitic 
elements  shown  in  the  model  are  taken  into  account. 

I  -] 


I  V  ! 


Figure  7.  Equivalent  Circuit  for  Adjacent  Switches 


Element 

Title 

Cos 

Drain-Source  Capacitance 

Cs 

Source  Capacitance  to  GND 

Co 

Drain  Capacitance  to  GND 

Css 

Capacitance  Between  Sources 

Ron 

Channel  ON  Resistance 

Table  I.  Parasitic  Elements 

The  equivalent  circuit  simplifies  further  depending  on 
which  switch  parameter  (bandwidth,  crosstalk  or  isola- 
tion) we  are  concerned  with.  These  parameters  will  now 
be  discussed  separately. 


BANDWIDTH 

The  3  dB  bandwidth  frequency  provides  a  measure  of 
the  high  frequency  usefulness  of  the  ADG5XXA  series  in 
the  ON  state. 

From  an  ac  or  bandwidth  perspective,  the  ON  state 
equivalent  circuit  of  a  multiplexer  channel  can  be  simpli- 
fied to  a  series  resistance  and  shunt  capacitance  model, 
as  shown  in  Figure  2. 
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Figure  2.  ON  Channel  Equivalent  Circuit 

The  transfer  function  (VOUT/VIN)  for  the  ON  channel  is: 
Rl 


Vqut  _   rl  +  Ron 


1  +  ;2  ir/ 


The  3  dB  break  frequency  f0,  is: 
1 


[C0+CL] 


fo 


2  ir 


*L    X   -RON]  r„     _  „  , 


(2) 


Therefore,  for  dc  or  low  signal  frequencies  (<fQ),  the 
multiplexer  channel  functions  as  a  simple  resistive  con- 
duction path  (Rqn  =  180  O  typ  for  all  parts),  and  any  ON 
insertion  loss  (attenuation  of  V,N)  is  limited  to  the  ratio  of 
RL/(RON+RL).  It  is  with  higher  signal  frequencies  that  the 
complex  ac  impedance  shown  in  Figure  1  becomes  sig- 
nificant, resulting  in  additional  attenuation  of  the  analog 
input  signal. 

From  Equation  2  it  is  clear  that  the  bandwidth  is  limited 
by  RON,  RL,  CL  and  CD  .  Normally  RL  >>R0n  in  order  to 
minimize  the  insertion  loss,  so  the  bandwidth  is  limited 
mainly  by  RON.  CD  and  CL  The  ADG5XXA  series  of  mul- 
tiplexers exhibit  extremely  low  parasitic  drain  capaci- 
tance CD.  To  take  advantage  of  this  low  CD,  the  external 
load  capacitance  should  be  kept  as  low  as  possible. 
Stray  capacitance  at  the  MUX  output  contributes  to  CL, 
so  it  is  important  that  this  be  minimized  by  proper  circuit 
board  layout  with  signal  line  lengths  as  short  as  possi- 
ble. Bandwidths  in  excess  of  40  MHz  may  be  achieved 
with  reasonable  care.The  ON  resistance  RON  may  be 
minimized  by  operating  with  ±15  V  power  supplies  and 
low  input  signal  levels.  (See  ADG5XXA  data  sheets  for 
further  informatio  n  on  Rqn  variation.)  The  frequency 
response  roll-off  rate  is  typically  20  dB/decade,  i.e.,  sin- 
gle pole  roll-off  rate. 

Figure  3  shows  the  test  circuit  used  to  evaluate  the 
bandwidth  performance  of  the  ADG508A.  Similar  type 
test  circuits  apply  for  the  other  parts  also. 

Figure  4  shows  a  plot  of  bandwidth  vs.  load  capacitance 
for  the  ADG508A  and  ADG528A.  The  same  results  apply 
for  all  the  input  channels  and  over  all  package  types. 
From  the  plots  it  can  be  seen  that  CL  is  critical  to  the 
~-nce.  Nevertheless,  12  pF  yields 
fo  >40  MHz. 


bandwidth  performa 
excellent  results,  with 


Similar  results  would  apply  for  the  ADG509A  and 
ADG529A,  but  the  break  frequency  (fD)  would  be  slightly 
higher  due  to  the  even  lower  CD  of  these  parts. 
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Figure  4.  ADG508A  and  ADG528A  Bandwidth  Results 


The  3  dB  break  frequency  of  the  ADG506A  and 
ADG526A,  with  an  RL  and  CL  of  1  kfl  and  12  pF  respec- 
tively, is  typically  30  MHz.  Again,  similar  results  apply 
for  the  ADG507A  and  ADG527A,  but  with  a  slightly 
higher  fQ. 

OFF  ISOLATION 

Although  the  bandwidth  performance  (ON  state)  is  very 
important,  most  applications  involving  the  switching  of 
high  frequency  signals  are  frequency  limited  due  to 
reduced  OFF  isolation  rather  than  degraded  ON  perfor- 
mance. OFF  isolation  is  a  measure  of  the  ability  of  the 
multiplexer  to  block  ac  signals  in  the  OFF  state  and  is 
defined  by  the  following  equation: 

OFF  Isolation* (dB)  =  20  log  (V,JVOUT). 

•Due  to  popular  convention,  OFF  isolation  and  (crosstalk)  values  are 
positive  number. 


From  an  OFF  isolation  point  of  view,  the  multiplexer 
channel  (or  switch)  can  be  modelled  by  the  circuit 
shown  in  Figure  5.  CEQ,  which  allows  signal  coupling 
from  the  source  (S)  to  the  drain  (D),  determines  the  OFF 
impedance  presented  by  the  multiplexer  to  ac  signals. 
Therefore,  as  the  signal  frequency  increases,  CEq  passes 
more  signal  to  the  output.  CEQ  is  a  combination  of  the 
OFF  state  parasitic  capacitance  of  the  relevant  multi- 
plexer channel  and  external  stray  capacitances  due  to 
wiring  and  circuit  board  layout. 


Figure  5.  OFF  Channel  Equivalent  Circuit 

The  OFF  state  parasitic  capacitance  of  the  multiplexer 
channel  depends  on  a  number  of  factors.  These  factors 
are  principally:  fabrication  process  (LC2MOS),  pin  con- 
figuration and  package  type  (plastic  DIP,  Cerdip,  PLCC). 
It  has  already  been  noted  that  the  LC2M0S  process  fea- 
tures very  low  parasitic  capacitances.  The  optimum  pin 
configuration  minimizes  the  parasitic  capacitance  by 
keeping  the  the  analog  input  and  output  pins  as  far  apart 
as  possible.  The  effect  of  pin  configuration  and  package 
type  is  highlighted  in  the  results. 

Minimizing  the  stray  capacitance,  to  achieve  lower  val- 
ues of  CEQ,  is  critical  in  achieving  the  optimum  OFF 
isolation  specifications.  Coaxial  cable  should  be  used  to 
transmit  the  analog  signals  and  a  good  circuit  board 
layout  is  vital.  The  circuit  board  should  use  short  signal 
tracks  with  guard  traces  between  them,  ground  planes 
and  bypassed  power  supplies. 

In  addition  to  CEQ,  the  OFF  isolation  is  also  determined 
to  a  large  degree  by  CD,  CL  and  RL.  The  lower  the  value 
of  RL,  the  better  the  OFF  isolation  performance  (CEQ's 
reactance  becomes  less  effective),  but  note,  a  low  value 
of  RL  gives  increased  on-insertion  loss  (i.e.,  ratio  of 
Rl'IRon  +  RJ)-  Obviously,  the  choice  of  the  RL  value 
involves  tradeoffs  to  suit  a  particular  application.  Large 
values  of  CD  and  CL  improve  the  OFF  isolation  perfor- 
mance but  again  this  leads  to  reduced  bandwidth  in  the 
ON  state. 

The  results  which  follow  apply  for  an  optimized  circuit 
board  layout  and  illustrate  how  some  of  the  factors  out- 
lined above  influence  the  OFF  isolation  performance.  A 
careless  circuit  board  layout  will  give  degraded  results. 
Figure  6  shows  one  of  the  test  circuits  used  to  measure 
the  OFF  Isolation  of  the  ADG508A  (similar  test  circuits 
for  the  other  parts). 

ADG508A  Series*  Results 

Typical  OFF  Isolation  plots  for  the  ADG508A  and 
ADG528A  are  shown  in  Figures  7,  8,  9  and  10. 

•AOG508A/509A,  ADG528A/529A. 


-DIP  PIN  CONFIGURATION  SHOWN. 

Figure  6.  ADG508A  OFF  Isolation  Test  Circuit 

The  slope  of  most  of  the  OFF  isolation  plots  changes 
versus  frequency,  and  this  is  very  apparent  from  Figure 
10  for  different  values  of  RL.  At  low  frequencies  the  fall 
off  rate  is  typically  20  dB  per  decade.  However,  the  OFF 
channel  equivalent  circuit  has  a  pole  frequency  at  fP  = 
1/2  ir  (CEO+CL+CD)  RL.  Therefore,  as  the  signal  fre- 
quency approaches  and  then  becomes  greater  than  the 
pole  frequency,  the  fall  off  rate  decreases  and  flattens 
out. 

The  OFF  isolation  performance  varies  with  package  type 
due  to  the  different  lead  frames  used.  Overall,  the  plastic 
leaded  chip  carrier  (PLCC)  gives  the  best  results,  fol- 
lowed by  the  plastic  DIP  and  then  the  cerdip.  The  PLCC 
performs  best  because  it  has  the  smallest  lead  frame, 
giving  the  least  parasitic  capacitance  between  the  input 
and  output  pins. 

For  both  the  plastic  DIP  and  PLCC  packages  (No  Connect 
pins  are  grounded),  the  input  channel  with  the  worst 
case  OFF  isolation  is  S4  (adjacent  the  output,  D),  fol- 
lowed by  S3  with  the  best  performance  from  SI  and  S5 
(same  results).  For  the  cerdip  package,  the  worst  case 
channel  is  again  S4,  but  it  is  followed  closely  by  S8  and 
then  S3,  with  the  best  results  from  S1  and  S5.The  differ- 
ence between  this  package  and  the  plastic  DIP  is  due  to  a 
different  lead  frame  configuration.  The  plots  also  show 
the  OFF  isolation  performance  for  all  the  input  channels 
(S1  to  S8)  driven  simultaneously. 

From  the  plots  for  the  ADG508AKN  (see  Figure  8),  it  can 
be  seen  that  S4  couples  more  unwanted  signal  into  the 
output  than  the  remaining  seven  channels  put  together. 
Therefore,  by  sacrificing  the  use  of  Channel  4,  the  user 
can  obtain  excellent  OFF  isolation  results  from  the 
remaining  seven  channels.  Alternatively,  to  achieve 
even  higher  isolation  from  the  seven  channels,  S4  may 
be  utilized  as  a  NORMALLY  ON  grounded  channel.  With 
this  scheme,  S4  is  selected  when  all  the  other  channels 
are  off.  This  effectively  grounds  the  output  (via  RON) 
giving  improved  OFF  isolation  results  which  are  inde- 
pendent of  RL.  Hence  large  values  of  RL  may  be  selected 
which  minimize  the  ON  insertion  loss  without  degrading 
the  isolation.  The  improvement  offered  with  this  scheme 
is  included  in  Figure  10. 

Similar  results  apply  for  the  ADG509A  and  ADG529A, 
except  at  high  frequencies  where  the  OFF  Isolation  is 
marginally  worse  due  to  the  lower  CD  of  these  parts. 
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Figure  7.  ADG508AKP  and  ADG528AKP  (PLCCs) 
OFF  Isolation  vs.  Frequency 


Figure  10.  ADG508ABQ  and  ADG528ABQ  (Cerdips) 
OFF  Isolation  vs.  Frequency  for  Different  RL 
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Figure  8.  ADG508AKN  and  ADG528AKN  {Plastic  DIPs) 
OFF  Isolation  vs.  Frequency 


EXCEPT  S4  . 
(SIMULTANEOUSLY) 


FREQUENCY  -  Hz 

Figure  9.  ADG508ABQ  and  ADG528ABQ  (Cerdips) 
OFF  Isolation  vs.  Frequency 


ADG506A*  Series  Results 

Typical  OFF  isolation  plots  for  the  ADG506A  and 
ADG526Aare  shown  in  Figures  11  and  12.  The  ADG507A 
and  ADG527A  would  yield  similar  results  except  at  the 
high  frequency  end  where  the  results  would  be  margin- 
ally worse  due  to  the  lower  CD  of  these  parts. 

Since  the  ADG506A  series  has  no  analog  input  channel 
on  a  pin  which  is  adjacent  to  the  output,  the  results  for 
this  series  surpass  those  for  the  ADG508A  series.  For 
both  the  DIP  and  PLCC  packages  (N.C.  pins  connected  to 
GND),  the  input  channel  with  the  worst  case  OFF  isola- 
tion is  S8,  followed  by  S7,  with  the  best  performance 
from  S1  and  S9. 

In  general,  comments  concerning  the  ADG508A  series 
results  apply  for  the  ADG506A  series  also. 


FREQUENCY  -  Hz 


Figure  7  7.  ADG506AKN  and  ADGS26AKN  (Plastic  DIPsi 
OFF  Isolation  vs.  Frequency 

i 

«ADG506A/507A,ADG526A/527A. 


72-24    MULTIPLEXERS  AND  SWITCHES 


120  mg 


Figure  12.  ADG506ABQ  and  ADG526ABQ  (Cerdips) 
OFF  Isolation  vs.  Frequency 

CROSSTALK 

Crosstalk,  which  is  also  called  Channel-to-Channel 
Crosstalk,  is  another  frequency-dependent  factor.  It  is 
basically  channel-to-channel  isolation  and  occurs  due  to 
the  OFF  state  parasitic  capacitances  of  the  multiplexer. 
Figure  13  shows  a  simple  crosstalk  model  for  a  two- 
channel  multiplexer.  Assuming  negligible  ON  insertion 


c  (VOUT) 


Figure  13.  Crosstalk  Equivalent  Circuit 

loss  due  to  Rqn1  and  rl-  vout  should  equal  V,N1.  How- 
ever, CEQ  (see  OFF  isolation  section  for  details)  couples 
some  portion  of  V,N2  into  VOUT.  Also,  but  to  a  lesser 
degree,  additional  signal  coupling  (not  shown  in  Figure 
13)  occurs  between  the  switches  due  to  parasitic  capac- 
itances within  the  die  and  between  the  package  leads. 
With  V,N1  connected  to  GND,  crosstalk  for  the  circuit 
shown  in  Figure  1 3  is  defined  by  the  following  equation : 

Crosstalk  (dBs)  =  20  log  (V,N2A/OUT>. 

The  error  signal  couples  into  a  parallel  combination  of 
RL.  Ron1*  Cd  and  CL  versus  RL,  CD  and  CL  only  for  OFF 
isolation.  Because  RON  is  typically  180O,  crosstalk 
results  are  generally  10  dB  better  than  OFF  isolation 
results. 

While  maintaining  good  bandwidth  and  OFF  isolation 
performance,  crosstalk  can  be  minimized  by  choosing  a 
multiplexer  with  a  low  RON.  A  good  circuit  board  layout 
that  shields  the  analog  signals  and  keeps  stray  capaci- 
tances to  a  minimum  is  also  vital. 


Figures  14  and  15  show  two  of  the  test  circuits  used  to 
measure  the  crosstalk  of  the  ADG508A  (similar  test  cir- 
cuits used  for  the  other  parts). 


•DIP  PIN  CONFIGURATION  SHOWN 


Figure  14.  ADG508A  Crosstalk  Test  Circuit  (One  OFF 
Channel  Driven  Only) 


•DIP  PIN  CONFIGURATION  SHOWN. 


Figure  15.  ADGS08A  Crosstalk  Test  Circuit  (7  OFF 
Channels  Driven) 

ADG508A  Series  Results 

Typical  crosstalk  plots  for  the  ADG508A  and  ADG528A 
are  shown  in  Figures  16,  17  and  18. 

In  Figure  14,  the  crosstalk  is  measured  by  driving  S4 
only,  with  S3  selected  and  the  remaining  OFF  channels 
connected  to  GND  via  50  SI.  Due  to  the  proximity  of  S4 
to  the  output  pin,  driving  this  channel  gives  the  worst 
case  crosstalk  results  (for  one  OFF  channel  driven  only) 
-see  Figure  16  Plot  b.  For  example,  driving  S3  only  with 
S4  selected  would  give  far  superior  results  -  typically 
15  dB  better  in  the  case  of  the  ADG508AKN  and 
ADG528AKN. 

Crosstalk  can  also  be  measured  by  driving  all  of  the 
remaining  OFF  channels  simultaneously,  with  any  one 
channel  selected  as  in  Figure  15.  Under  these  conditions 
the  worst  case  performance  (see  Figure  16  Plot  a)  occurs 
when  S1  or  S5  is  selected  and  the  best  performance  (see 
Plot  c)  results  when  S4  is  selected. 
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The  plastic  DIP  package  gives  better  results  than  the 
cerdip  package  (similar  to  OFF  isolation).  The  results  for 
PLCC  are  not  shown  but  would  be  approximately  5  dB 
better  than  for  plastic  DIP.  Figure  18  shows  that  the 
crosstalk  performance  improves  as  RL  reduces. 

Similar  results  would  apply  for  the  ADG509A  and 
ADG529A.  However,  at  the  high  frequency  end,  the 
results  would  be  marginally  worse  due  to  their  lower  CD. 


FREQUENCY  - 


:  ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  4.  WHICH  IE 


G  CHANNELS  CONNECTED  TO  GNO  ISEE  FIGURE  14|. 


Figure  16.  ADG508AKN  and  ADG528AKN  (Plastic  DIPs) 
Crosstalk  Results  vs.  Frequency 


FREQUENCY  -  Hi 

a.  ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  1,  WHICH  IS  "ON  " 

b.  S4  DRIVEN;  S3  "ON":  REMAINING  CHANNELS  CONNECTED  TO  GND  ISEE  FIGURE  14). 

c.  ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  4.  WHICH  IS  "ON  " 

Figure  17.  ADG508ABQ  and  ADG528ABQ  (Cerdips) 
Crosstak  Results  vs.  Frequency 


FREQUENCY  -  Hi 
ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  1.  WHICH  IE 


ADG506A  Series  Results 

Typical  crosstalk  plots  for  the  ADG506A  and  ADG526A 
are  shown  in  Figures  19  and  20.  The  ADG507A  and 
ADG527A  yield  similar  results  except  at  high  frequencies 
where  the  results  would  be  marginally  worse  due  to  the 
lower  CD  of  these  parts. 

Since  the  ADG506A  series  has  no  analog  input  channel 
and  output  on  adjacent  pins,  the  results  for  this  series 
surpass  those  for  the  ADG508A  series.  S8  is  the  channel 
nearest  to  the  output,  and  therefore  driving  S8  with  any 
other  channel  selected  contributes  most  to  poor 
crosstalk  results. 

In  general,  comments  on  the  ADG508A  series  results 
apply  for  the  ADG506A  series  also. 


■  ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  1.  WHICH  IS  "ON." 

b  SS  DRIVEN;  S7  "ON";  REMAINING  CHANNELS  CONNECTED  TO  GND  (SIMILAR  TO  FIGURE  141. 
c.  ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  8,  WHICH  IS  "ON." 

Figure  19.  ADG506AKN  and  ADG526AKN  (Plastic  DIPs) 
Crosstalk  Results  vs.  Frequency 


Figure  18.  ADG508AKN  and  ADG528AKN  (Plastic  DIPs) 
Crosstalk  Results  vs.  Frequency  for  Different  RL 


i  ALL  CHANNELS  DRIVEN  EXCEPT  CHANNEL  1.  WHICH  IS  "ON." 

I.  SS  DRIVEN;  ST  "ON";  REMAINING  CHANNELS  CONNECTED  TO  GND  [SIMILAR  TO  FIGURE  14| 
 S  DRIVEN  EXCEPT  CHANNEL  8,  WHICH  IS  "ON." 


Figure  20.  ADG506ABQ  and  ADG526ABQ  (Cerdips) 
Crosstalk  Results  vs.  Frequency 


COMMENTS 

The  results  furnished  in  this  application  note  are  based 
on  measurements  from  three  fabrication  lots.  With  the 
same  conditions  and  device  type,  the  results  varied  very 
little  from  lot  to  lot  and  from  device  to  device.  For  exam- 
ple, the  results  for  both  OFF  isolation  and  crosstalk  var- 
ied by  typically  1  dB  only.  For  bandwidth,  the  variation 
in  results  was  less  than  0.2  MHz. 
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Ron  Modulation  in  CMOS  Switches  and  Multiplexers; 
What  It  Is  and  How  to  Predict  Its  Effect  on  Signal  Distortion 

by  John  Wynne 


A  single  CMOS  switch  or  a  single  channel  of  a  CMOS 
multiplexer  essentially  consists  of  an  N-channel  and  a 
P-channel  MOSFET  transistor  in  parallel,  see  Figure  1a. 
The  respective  drains  and  sources  of  the  two  transistors 
are  tied  together  to  become  the  switch  terminals  while 
the  gates  of  the  two  transistors  are  usually  driven  with 
the  power  supply  voltages,  VDD  and  Vss,  to  control  the 
on-off  action  of  the  switch.  Essentially  the  N-channel  is 
ON  for  positive  gate-to-source  voltages  and  OFF  for 
negative  gate-to-source  voltages  (vice  versa  for  the 
P-channel). 


Figure  lb.  Individual  MOSFET  RON  Profiles  vs.  Vs  (VD) 


With  a  fixed  voltage  on  the  gate,  the  effective  drive 
voltage  for  either  transistor  varies  in  proportion  to  the 
polarity  and  magnitude  of  the  signal  passing  through 
the  switch.  In  Figure  1b  where  RON  is  plotted  against 
applied  switch  voltage  Vs  (VD),  the  resistance  of  the 


N-channel  increases  with  positive  voltage  and  the  resis- 
tance of  the  P-channel  increases  with  negative  voltage. 
The  resultant  parallel  combination  (heavy  line)  exhibits 
the  well-known  "crown"  or  twin-peak  characteristic.  This 
variation  in  on-channel  resistance  with  input  signal  is 
known  as  RON  modulation. 

Figures  2  and  3  show  some  typical  RON  and  ARDn  pro- 
files for  Analog  Devices'  ADG5XXA  multiplexer  series. 
Figure  2  shows  RON  for  three  different  power  supply 
voltages.  Figure  3  shows  an  expanded  view  of  the 
change  in  resistance  (ARON)  under  the  same  conditions. 
Note  that  both  RON  and  ARON  increase  as  the  power 
supplies  are  reduced. 


-20       -15  -10 


Vs(Vo)-  Volts 

Figure  2.  RON  as  a  Function  of  Vs  (VD),  TA  =  +25°C 
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Figure  3.  ARON  as  a  Function  of  Vs  (VD),  TA  =  +25°C 


MULTIPLEXERS  AND  SWITCHES  12-27 


signal  range  and  increasing  again  to  over  30  fl  with  a  ± 
7  V  input  signal  range.  Configuring  a  switch  or  multi- 
plexer to  operate  directly  into  the  virtual  earth  of  an  op 
amp  obviously  ensures  a  very  low  voltage  across  the 
channel  which  in  turn  virtually  eliminates  RON  modula- 
tion problems.  However,  many  applications  require  high 
level  signals  to  be  passed  through  the  channel.  Figure  4 
shows  a  typical  situation  where  high  level  signals  are 


improves  to  0.048%  or  -66  dB. 


multiplexed  into  a  load 
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Figure  4.  Multiplexing  High  Level  Signals 

In  addition  to  the  common  load  resistance,  each  multi- 
plexer channel  has  a  source  resistance  RSN  in  series  with 
it.  Over  the  signal  range  of  interest,  the  amount  of  dis- 
tortion generated  by  RON  modulation  is  proportional  to 
the  ratio  of  maximum  to  minimum  channel  resistance, 
i.e., 

Distortion  to  ARON/(REXT  +  RON  mini 

The  external  resistance  REXT  is  the  sum  of  source  and 
load  resistance.  For  a  given  multiplexer  (i.e.,  given  RON 
minimum  and  ARON)  ,  making  the  external  series  resis- 
tance large  reduces  the  generated  distortion  through  the 
channel.  However,  high  resistor  values  result  in  high 
levels  of  circuit  noise,  so  a  compromise  must  be  made 
when  deciding  on  values  for  the  external  resistors. 

PREDICT  DISTORTION  GRAPHICALLY 

Figure  5  shows  a  nomograph  which  can  be  used  to 
quickly  predict,  to  a  first  order,  the  distortion  generated 
by  a  single  multiplexer  channel  in  series  with  an  external 
resistor.  The  nomograph  scaling  is  based  upon  Figure  4. 
The  left  most  scale  represents  the  total  channel  resis- 
tance including  the  switch  RON  value  at  Vs  (VD)  =  0  V. 
The  middle  scale  represents  distortion,  and  the  right 
most  scale  represents  ARON,  the  change  in  RON  over  the 
signal  range  of  interest.  The  nomograph  is  used  by 
drawing  a  straight  line  between  the  appropriate  points 
on  the  outer  scales;  where  the  straight  line  intersects 
with  the  middle  scale  yields  the  predicted  distortion.  As 
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Figure  5.  Nomograph  to  Determine  THD  Through  a  Sin- 
gle Switch  or  Multiplexer  Channel 
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User's  Guide  to  Applying  and  Measuring 
Operational  Amplifier  Specifications 


by  Ray  S 


Since  there  are  NO  established  standards  for  operational 
amplifier  specifications  we  shall  discuss  here  the  terms  used 
by  Analog  Devices  to  define  operational  amplifier  characteristics 
as  well  as  the  limitations  which  must  be  observed  in  applying 
the  published  data  to  actual  circuits.  Wherever  possible  we 
show  the  test  circuits  used  to  measure  these  parameters. 
Although  these  test  circuits  are  applicable  to  a  wide  range  of 
operational  amplifiers,  special  amplifiers  such  as  FET,  chopper 
stabilized  or  ultra  fast  response  amplifiers  may  require  changes 
in  the  recommended  circuit  values  or  in  some  cases  different 
test  methods  to  measure  their  specifications.  As  a  general  rule 
the  power  supply  for  these  measurements  should  have  line  and 
load  regulation  of  about  0.1%  and  ripple  should  be  no  more 
than  a  few  millivolts. 

Figure  1  gives  a  simplified  equivalent  circuit  for  an  operational 
amplifier  showing  many  of  the  sources  of  error  which  are  dis- 
cussed in  the  text  The  specifications  should  be  referenced  to 
this  diagram  to  predict  their  effect  in  a  closed  loop  circuit.  For 
a  single  ended  amplifier  you  would  assume  that  the  plus  or 
non-inverting  input  is  grounded. 


OPEN  LOOP  GAIN 

Open  loop  gain,  A,  is  defined  as  the  ratio  of  output  voltage  to 
error  voltage  eE  between  inputs  as  shown  in  figure  1.  Gain  is 
usually  specified  only  at  DC  (A0),  but  in  many  applications 
such  as  AC  amplifiers  the  frequency  dependence  of  gain  is  also 
important.  For  this  reason  the  typical  open  loop  gain  response 
is  published  for  each  amplifier.  The  open  loop  gain  response 
of  most  amplifiers  can  be  approximated  by  figure  2. 
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FIGURE  1.    OPERATIONAL  AMPLIFIER 
EQUIVALENT  CIRCUIT 
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FIGURE  2.  TYPICAL  OPEN  LOOP  GAIN  RESPONSE 
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FIGURE  3.  OPEN  LOOP  GAIN  TEST  CIRCUIT 
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CLOSED  LOOP  GAIN 


FIGURE  4.  CLOSED  LOOP  CIRCUIT 
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FIGURE  5.  DETERMINATION  OF  LOOP  GAIN 


Open  loop  gain  changes  with  load  impedance  (R(),  ambient 
temperature  and  supply  voltage.  As  a  rule,  open  loop  gain  will 
not  change  more  than  a  factor  of  10  between  rated  load  and 
no  load  conditions.  Most  operational  amplifiers  have  a  positive 
gain  temperature  coefficient  of  about  0.5  to  1%/°C  and  gain 
changes  with  supply  voltage  at  about  2%/Jr.  Analog  Devices 
specifies  all  open  loop  gains  at  rated  load,  25°C  and  rated 
supply  voltages. 

A  practical  circuit  for  measuring  open  loop  gain  over  a  range 
of  frequencies  is  shown  in  figure  3.  The  voltage  divider  on  the 
negative  input  boosts  the  sensitivity  of  the  error  voltage  by 
100  times  which  makes  it  possible  to  measure  gains  up  to  one 
million.  At  low  frequencies  open  loop  gain  is  constant  so  that 
DC  gain  can  be  measured  by  a  low  frequency  signal  (about 
5Hz).  The  voltage  divider  may  not  be  necessary  for  low  gain 
amplifiers  (below  20,000)  and  it  is  not  recommended  for  mea- 
suring gain  at  high  frequencies  where  open  loop  gain  is  less. 

At  very  best,  noise  pick  up  is  a  problem  for  measuring  high 
gains  and  care  must  be  taken  to  adequately  shield  the  test  cir- 
cuit. At  high  frequencies  the  amplitude  of  the  output  voltage 
must  be  reduced  to  avoid  exceeding  the  slewing  rate  of  the 
amplifier.  For  this  reason  the  output  voltage  should  be  adjusted, 
so  that  e.(peak)  <slew  rate/i»;,  where     is  the  test  frequency. 

SIGNIFICANCE  OF  OPEN  LOOP  GAIN 

Operational  amplifiers  are  rarely  used  open  loop.  Instead  nega- 
tive feedback  is  used  around  the  amplifier  to  improve  the 
accuracy  of  the  circuit.  This  introduces  a  second  term,  closed 
loop  gain  (G),  which  is  defined  as  the  gain  of  the  circuit  with 
feedback.  The  simple  inverting  amplifier  in  Figure  4  illustrates 
this  point. 


Linearity,  gain  stability,  output  impedance  and  gain  accuracy 
are  all  improved  by  the  amount  of  feedback.  Figure  5  graphi- 
cally illustrates  the  relation  between  open  loop  gain  and  closed 
loop  gain. 

The  excess  of  open  loop  gain  over  closed  loop  gain  is  called 
loop  gain.  (Subtraction  of  dB  is  equivalent  to  arithmetic  divi- 
sion.) The  improvement  of  open  loop  performance  due  to 
feedback  is  directly  proportional  to  loop  gain.  As  a  general 
rule  for  moderate  accuracy,  open  loop  gain  should  be  100  times 
greater  than  the  closed  loop  gain  at  the  frequency,  or  frequen- 
cies, of  interest  (that  is  loop  gain=  100).  For  higher  accuracy, 
loop  gain  should  be  1000  or  more.  To  illustrate,  we  recall  that 
open  loop  gain  stability  for  most  operational  amplifiers  is  about 
1%/°C.  With  loop  gain  of  100,  closed  loop  gain  stability 
would  be  100  times  better  or  0.01  %/°C.  Likewise,  closed  loop 
output  impedance  would  be  100  times  less  than  open  loop 
output  impedance  with  a  loop  gain  of  100. 

RATED  OUTPUT  VOLTAGE  AND  CURRENT 

Rated  output  voltage,  E„,  is  the  maximum  peak  output  voltage 
which  can  be  obtained  at  rated  output  current  before  clipping 
or  excessive  non-linearity  occurs.  This  measurement  is  made  at 
rated  power  supply  voltage;  at  other  supply  voltages  the  output 
will  swing  to  within  about  4  volts  of  the  supply  voltage.  Also 
the  output  voltage  swing  will  increase  somewhat  at  lower  load 
current.  Rated  output  current,  I0,  is  the  minimum  guaranteed 
value  of  current  at  the  rated  output  voltage.  Load  impedance 
less  than  E0/I0  can  be  used  but  E<,  will  decrease,  distortion  may 
increase  and  open  loop  gain  will  be  reduced.  Driving  large 
capacitance  loads  at  high  frequencies  will  present  a  low  load 
impedance  which  may  then  exceed  the  rated  output  current. 
Any  convenient  circuit  such  as  figure  3  or  figure  6  can  be  used 
to  measure  E0  and  I0. 
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UNITY  GAIN  SMALL  SIGNAL  RESPONSE 

Unity  gain  small  signal  response,  ft,  is  the  frequency  at  which 
the  open  loop  gain  becomes  unity  or  zero  dB  (see  figure  2). 
"Small  signal"  indicates  that  in  general  it  is  not  possible  to 
obtain  large  output  voltage  swing  at  high  frequencies  because 
of  distortion  due  to  slew  rate  limiting.  Therefore  in  both  mea- 
suring ft  and  using  the  amplifier  at  high  frequencies,  the  out- 
put voltage  swing  must  be  restricted  to  avoid  slew  rate  limiting. 
This  implies  that  the  peak  output  voltage,  e0,  for  a  sinusoidal 
signal  at  the  unity  gain  frequency,  ft,  must  be  less  than  S/27rft, 
where  S  is  the  slew  rate. 

For  amplifiers  with  symmetrical  response  on  each  input,  f,  may 
be  measured  by  either  the  inverting  circuit  of  figure  6  or  the 
non-inverting  circuit  of  the  figure  7.  Some  units  such  as  chop- 
per stabilized  amplifiers  or  wideband  amplifiers  with  feed  for- 
ward design  have  fast  response  only  on  the  negative  input 
which  restricts  testing  and  use  to  the  inverting  circuit.  Remem- 
ber that  the  closed  loop  unity  gain  response  of  figure  6  will  be 
about  one  half  the  open  loop  unity  gain  response  due  to  the 
loading  of  the  feedback  network.  Moreover,  large  values  of 
feedback  resistance  when  coupled  with  stray  capacitance  may 
reduce  the  closed  loop  response  and  therefore  the  smallest 
possible  value  of  Rf  should  be  used,  the  limit  being  set  by  output 
current  capability  I0. 

Sometimes  ft  is  called  unity  gain-bandwidth  product  which 
implies  that  open  loop  gain  at  other  frequencies  can  be  pre- 
dicted from  this  number.  However,  gain  bandwidth  product  is 
constant  only  for  amplifiers  with  6dB/octave  roll  off!  For  fast 
roll  off  amplifiers,  gain  bandwidth  product  increases  with  gain 
and  thus  we  publish  the  open  loop  response  curve  to  give 
typical  gain  at  each  frequency. 

FULL  POWER  RESPONSE 

The  large  signal  and  small  signal  response  characteristics  of 
operational  amplifiers  differ  substantially  due  to  dynamic  non- 
linearities  or  transient  saturation.  An  amplifier  will  not  respond 
to  large  signal  changes  as  fast  as  the  small  signal  bandwidth 
characteristics  would  predict.  The  most  prominent  contributor 
to  large  signal  response  limitations  is  slew  rate  limiting  in 
the  output  stages.  Circuit  and  transistor  capacitances  can  be 
charged  and  discharged  only  so  fast  due  to  the  limited  dynamic 
range  of  the  driving  circuits.  Transient  saturation  can  also  occur 
in  the  input  stages  of  the  amplifier  due  to  overloading  the 
input  stage  or  due  to  common  mode  voltage  slew  rate  limiting, 
but  this  is  rarely  a  problem  as  compared  to  saturation  of  the 
output  stages. 

Full  power  response,  fp,  is  the  maximum  frequency  measured 
at  unity  closed  loop  gain,  for  which  rated  output  voltage,  ±E0, 
can  be  obtained  for  a  sinusoidal  signal  at  rated  load  without 
distortion  due  to  slew  rate  limiting.  Note  that  this  specification 
does  not  relate  to  "response"  in  the  sense  of  gain  reduction 
with  frequency.  Instead  it  refers  only  to  distortion  in  the  output 
signal  caused  by  slew  rate  limiting.  For  a  sinusoidal  signal,  the 
maximum  slope  or  rate  of  voltage  change  occurs  at  zero  crossing 
and  is  proportional  to  the  peak  amplitude  and  the  frequency. 


Thus  we  see  that  to  a  first  approximation  slew  rate,  S,  and  full 
power  response,  fp,  are  related  by  equation  1. 

de„  I  (equation  1 ) 

dT|max  =  2-fPE°  =  S 
As  the  voltage  swing  is  reduced  below  rated  output,  E0,  the 
operating  frequency  can  be  proportionally  increased  without 
exceeding  the  slew  rate,  S.  In  the  limit  the  operating  frequency 
approaches  the  unity  gain  bandwidth,  ft,  and  the  corresponding 
voltage  signal  defines  the  maximum  peak  amplitude  for  "small 
signal"  unity  gain  response.  The  circuits  of  figure  6  or  figure  7 
can  be  used  to  measure  full  power  response  depending  on 
whether  inverting  or  non-inverting  parameters  are  measured. 
Where  dynamic  saturation  of  the  output  stages  is  the  primary 
cause  for  slew  rate  limiting  either  test  circuit  will  give  equiva- 
lent results.  For  very  fast  response  amplifiers,  load  capacitance 
and/or  capacitance  from  the  output  to  the  negative  input  will 
cause  apparent  slew  rate  limiting  and  consequent  degradation 
of  full  power  response.  This  is  due  to  saturation  of  amplifier 
output  current  in  charging  these  capacitances  and  therefore 
such  capacitances  must  be  low. 

Output  distortion  can  be  measured  either  by  a  distortion  meter 
on  the  output  or  by  observing  a  Lissajon  pattern  on  an  oscillo- 
scope. There  is  no  industry  wide  accepted  value  for  the  distor- 
tion level  which  determines  the  full  power  response  limitation, 
but  a  number  like  1%  to  3%  is  a  reasonable  figure.  One  subtle 
point  here  is  that  closed  loop  output  distortion  depends  on  the 
amount  of  feedback  or  loop  gain  and  therefore  it  depends 
on  the  closed  loop  gain  of  the  measurement.  Full  power  re- 
sponse is  generally  measured  at  unity  gain  where  loop  gain  is 
the  highest.  At  higher  closed  loop  gains  output  distortion  will 
increase  for  the  same  full  power  response  frequency. 
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In  many  applications  the  additional  distortion  which  is  caused 
by  exceeding  the  full  power  response  can  be  comfortably 
ignored.  However,  a  far  more  serious  effect,  often  overlooked, 
is  that  a  DC  offset  voltage  can  be  generated  when  the  full  power 
response  is  exceeded  due  to  rectification  of  the  unsymmetrical 
feedback  waveform  or  due  to  overloading  the  input  stage  with 
large  distortion  signals  at  the  summing  junction. 

These  more  subtle  points  in  measuring  full  power  response  as 
well  as  the  attendant  side  effects  suggest  the  circuit  of  figure  8 
as  more  satisfactory  test  circuit.  By  viewing  the  error  voltage 
at  the  summing  junction  on  an  oscilloscope,  distortion  signals 
are  more  easily  detected,  signal  generator  distortion  is  elimi- 
nated from  the  measurement  and  frequency  dependent  DC 
offset  can  be  readily  observed. 


SLEWING  RATE 

The  origins  of  slewing  rate  limitations  were  discussed  in  the 
previous  section.  Slewing  rate,  S,  usually  expressed  in  volts/^sec 
defines  the  maximum  rate  of  change  of  output  voltage  for  a 
large  step  change. 

Equation  1  suggests  a  convenient  method  to  measure  slewing 
rate  by  first  measuring  full  power  response,  fp,  and  then  calcu- 
lating S.  Although  this  test  method  yields  usable  results  for 
most  amplifiers  in  most  applications,  the  relationship  of  equa- 
tion 1  does  not  apply  under  all  conditions.  First,  slewing  rate 
is  a  non-linear  function  of  output  voltage  and  equation  1 
measures  slewing  rate  only  at  zero  volts  output.  This  second 
order  effect  can  usually  be  safely  ignored  in  most  applications. 
However,  for  certain  amplifiers,  particularly  fast  response  types, 
the  slew  rate  may  be  higher  than  that  predictable  from  f„.  In 
these  cases  fp  is  limited  by  factors  other  than  slew  rate  such  as 
DC  offset  errors  which  are  generated  by  the  rectification  of 
large  high  frequency  error  voltages. 


ing  rate  is  to  apply  low 


frequency  square  waves  (about  100Hz)  to  the  input  of  figure 
6  or  figure  7  which  cause  full  voltage  swing  at  the  output  and 
to  observe  the  rise  time  from  10  to  90%  on  an  oscilloscope 
(see  figure  9).  Small  feedback  resistors  must  be  used  to  avoid 
degradation  of  slewing  rate  due  to  stray  capacitance. 

In  applying  operational  amplifiers  remember  that  repetitive 
input  waveforms  whose  rise  time  exceeds  the  amplifier's  slewing 
rate  will  generate  voltage  spikes  at  the  summing  junction. 
These  spikes  are  usually  unsymmetrical  and  are  also  usually 
clipped  unsymmetrically  by  the  input  circuit  of  the  amplifier  — 
either  or  both  of  which  effects  will  cause  DC  offsets  at  the 
output. 

OVERLOAD  RECOVERY 

Overload  recovery,  r,  defines  the  time  required  for  the  output 
voltage  to  recover  to  the  rated  output  voltage  E„  from  a  satu- 
rated condition.  For  this  test  the  circuit  of  figure  6  or  7  is  used 
with  an  input  square  wave  adjusted  to  be  50%  greater  than  the 
voltage  required  to  saturate  the  amplifier  output.  The  square 
wave  frequency  should  be  adjusted  to  about  100Hz  and  the 
input-output  signals  should  be  compared  on  a  dual  trace  oscillo- 
scope as  illustrated  in  figure  9- 

In  some  amplifiers  the  overload  recovery  will  increase  for  large 
impedances  (greater  than  50Kfi)  in  the  input  circuit,  either  the 
summing  impedance  for  figure  6  or  the  source  input  for  figure 
7.  Published  specifications  apply  for  low  impedances  and  as- 
sume that  overload  recovery  is  not  degraded  by  stray  capacitance 
in  the  feedback  network. 

Normally,  overloaded  recovery  time  runs  about  one  millisecond. 
For  the  inverting  configuration  an  external  clamp  circuit  can  be 
added  to  improve  overload  recovery  as  illustrated  in  figure  10. 
This  circuit  prevents  the  output  from  saturating  and  therefore 
circumvents  any  delays  due  to  overload  recovery.  The  only  con- 
straint for  proper  operation  is  that  input  current  (ej/Rj)  shall 
be  approximately  less  than  the  rated  output  current  Ic  minus  the 
load  current.  The  clamp  circuit  cannot  be  used  with  the  non- 
inverting  and  differential  configurations. 
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INITIAL  OFFSET  VOLTAGE 

Offset  voltage,  eos,  is  denned  as  the  voltage  required  at  the 
input  from  a  zero  source  impedance  to  zero  the  output,  at  any 
temperature,  supply  voltage  and  time  (see  figure  1 ) .  Initial 
offset  voltage,  Eos,  defines  the  offset  voltage  at  25°C  and  rated 
supply  voltages.  In  most  amplifiers,  provisions  are  made  to 
adjust  initial  offset  to  zero  with  an  external  trim  potentiometer. 
Some  amplifiers  are  internally  trimmed  to  guarantee  some 
maximum  limit  on  initial  offset  (usually  ±lmV)  which  means 
that  in  certain  applications  the  external  trim  pot  can  be  elimi- 
nated. On  special  order  any  amplifier  from  Analog  Devices  can 
be  internally  trimmed  to  ±lmV  initial  offset  or  less.  Initial 
offset  can  be  measured  with  the  circuit  of  figure  11,  where  an 
appropriate  fixed  resistor  is  substituted  for  the  external  trim 
potentiometer.  There  is  a  warm  up  drift  of  offset  voltage 
following  the  application  of  power  supply  voltage  and  it  is 
recommended  that  you  let  the  amplifier  stabilize  for  at  least  15 
minutes  before  making  measurements. 

INITIAL  BIAS  CURRENT 

Bias  current,  ib,  is  defined  as  the  current,  at  any  temperature, 
supply  voltage  and  time,  required  at  either  input  from  an  infi- 
nite source  impedance  to  zero  the  output  assuming  zero  com- 
mon mode  voltage.  For  differential  amplifiers  bias  current  is 
designated  by  ib—  for  the  negative  input  and  by  ib+  for  the 
positive  input.  For  single  ended  amplifiers,  like  chopper  stabi- 
lized units,  bias  current  refers  to  the  current  at  the  negative 
input  only. 

Initial  bias  current,  Ib,  is  the  bias  current  at  either  input  mea- 
sured at  25 °C,  rated  supply  voltages  and  zero  common  mode 
voltage.  The  designation  (0,  +  )  or  (0,  —  )  indicates  that  no 
internal  compensation  is  used  to  reduce  initial  bias  current  so 
that  the  polarity  is  always  known.  The  sign  tells  to  which 
power  supply  voltage  an  external  compensating  resistor  should 
be  connected  to  zero  the  initial  bias  current.  The  designation 
(±)  indicates  that  internal  compensation  has  been  used  to 
reduce  initial  bias  current  and  that  the  residual  bias  current 
can  be  of  either  polarity.  In  general  compensating  initial  bias 
current  has  little  effect  on  the  bias  current  temperature  coeffici- 
ent. The  circuit  of  figure  11  is  used  to  measure  initial  bias 


INITIAL  DIFFERENCE  CURRENT 

Difference  current*,  id,  is  defined  as  the  difference  between  the 
bias  currents  at  each  input  from  an  infinite  source  required  to 
zero  the  output  assuming  zero  common  mode  voltage.  The 
input  circuitry  of  differential  amplifiers  is  generally  symmetri- 
cal so  that  bias  current  at  each  tends  to  be  equal  and  tends  to 
track  with  changes  in  temperature  and  supply  voltage.  Usually 
difference  current  is  3  to  5  times  less  than  bias  current  at  either 
input,  assuming  that  initial  bias  current  is  not  compensated. 
If  the  impedance  as  seen  from  each  input  terminal  to  ground 
is  balanced  then  offset  and  drift  errors  are  proportional  to  dif- 
ference current  rather  than  to  bias  current.  In  most  applica- 
tions, if  the  external  impedances  at  each  input  are  balanced 
then  there  is  no  particular  advantage  in  using  an  amplifier 
where  initial  bias  current  is  internally  compensated.  Initial  dif- 
ference current,  Id,  the  difference  current  measured  at  25°C  and 
rated  supply  voltage,  can  be  measured  by  the  circuit  of  figure  11. 

♦Previously  called  offset  current. 
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FIGURE  10.  EXTERNAL  CLAMP  CIRCUIT 
FOR  ±10  VOLTS 


TEMPERATURE  DRIFT 

Offset  voltage,  bias  current  and  difference  current  all  change  or 
"drift"  from  their  initial  values  with  temperature.  By  far  this 
is  the  most  important  source  of  error  in  most  applications.  The 
temperature  coefficients  of  these  parameters,  Ae»i/AT. 
A'b/AT  and  A'd/AT  are  all  defined  as  the  average  slope 
over  a  specified  temperature  range  and  are  determined  by  sub- 
tracting the  offset  values  at  the  end  points  of  the  temperature 
range  and  dividing  by  the  temperature  change.  In  general 
drift  is  a  non-linear  function  of  temperature  and  the  slopes  are 
greater  at  the  extremes  of  temperature  than  around  normal 
room  ambient.  The  temperature  drift  coefficients  are  measured 
by  the  circuit  of  figure  11.  The  amplifier  is  used  to  boost  its 
own  low  level  input  offset  signal  to  a  conveniently  measurable 
voltage  at  the  output.  Gain  is  established  by  the  ratio  of  Rf/Ri. 
The  current  sampling  resistors,  Rs,  must  be  selected  so  that 
voltage  drift  is  small  compared  to  the  drift  due  to  difference 
current;  that  is  Rs  X  A'd/AT>  >  Aeos/ AT.  Alternatively, 
voltage  drift  must  be  subtracted  from  the  data  for  current  drift. 

One  problem  in  using  published  voltage  drift  specifications  is 
that  this  data  applies  only  to  static  temperature  conditions  where 
the  temperature  of  the  module  is  assumed  to  be  uniform.  Volt- 
age offset  of  most  differential  amplifiers  is  quite  sensitive  to 
thermal  gradients,  since  drift  performance  depends  on  the  can- 
cellation of  large  offset  in  each  transistor  of  the  input  differen- 
tial pair.  Therefore  in  environments  where  thermal  gradients 
are  present  voltage  offset  may  exceed  that  predictable  from  the 
drift  coefficients.  In  this  case  where  low  drift  over  a  narrow 
temperature  range  is  critical,  it  is  good  practice  to  insulate  or 
shield  the  amplifier  to  assure  a  uniform  temperature.  Bias  cur- 
rent is  not  noticeably  affected  by  thermal  gradients  and  dif- 
ference current,  while  affected,  is  far  less  sensitive  to  gradients 
than  voltage  offset. 

Bias  current  and  difference  current  for  FET  and  varactor  bridge 
amplifiers  double  each  10°C  and  therefore  a  linearized  drift 
coefficient  has  little  meaning  except  over  a  narrow  operating 
temperature  range. 
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FIGURE  11.  TEST  CIRCUIT  FOR  OFFSET  VOLTAGE, 
BIAS  CURRENT  AND  DIFFERENCE  CURRENT 

 :  


SUPPLY  VOLTAGE  SENSITIVITY 

Offset  voltage,  bias  current  and  difference  current  will  also 
change  when  supply  voltage  is  varied.  Usually  errors  due  to 
this  effect  are  negligible  compared  to  temperature  drift.  Static 
or  DC  supply  voltage  coefficients,  Aeos/AVs,  A>b/AVs, 
A<d/Avs  are  measured  with  the  circuit  in  figure  11  by  varying 
supply  voltages  individually  by  ±1  volt. 

There  is  a  common  misconception  that  tracking  power  supplies 
whose  plus  and  minus  voltages  change  by  the  same  amounts 
will  improve  supply  voltage  coupling.  In  general  tracking  sup- 
plies are  of  no  benefit  since  the  positive  supply  voltage  coeffi- 
cient is  usually  much  larger  than  the  negative  supply  voltage 
coefficient.  Rejection  of  AC  noise  and  ripple  on  the  power 
supplies  is  not  as  good  as  static  or  DC  rejection,  but  for  almost 
all  amplifiers  AC  rejection  will  be  better  than  lmV/V  or  60dB 
over  a  wide  range  of  frequencies. 


DRIFT  VS  TIME 

Offset  voltage,  bias  current  and  difference  current  change  with 
time  as  components  age.  Static  data  over  long  time  periods  is 
difficult  to  obtain  because  of  the  inherent  time  delays  involved. 
But  it  is  safe  to  say  that  the  published  time  drift  for  amplifiers 
does  not  accumulate  linearly.  For  example,  voltage  drift  for  a 
chopper  stabilized  amplifier  (which  by  the  way  is  by  far  the 
best  amplifier  type  for  long  term  stability)  is  usually  quoted 
as  1/iV/day  whereas  cumulative  drift  over  30  days  will  usually 
not  exceed  5^V  nor  15/iV  in  a  year. 

Long  term  voltage  drift  in  differential  input  type  amplifiers 
depends  primarily  on  the  aging  of  collector  resistors  in  the 
input  differential  pair.  The  aging  coefficient  referred  to  the 


input  is  about  300/xV/%  change  of  collector  resistance.  It  is 
not  unlikely  that  carbon  composition  resistors  will  age  by  1  or 
2%  over  a  year  resulting  in  an  offset  voltage  change  of  300  to 
600^V.  The  use  of  metal  film  resistors  for  the  collector  resistors 
will  greatly  improve  long  term  stability  to  the  point  where 
base  to  emitter  voltage  aging  is  the  determining  factor.  With 
metal  film  resistors,  offset  voltage  for  transistor  amplifiers  is 
about  100/nV/year  while  FET  amplifiers  will  age  somewhat 
more. 

Long  term  bias  current  stability  in  differential  input  amplifiers 
again  depends  on  resistor  stability  when  internal  initial  current 
compensation  is  employed.  In  this  case,  multi-megohm  carbon 
composition  resistors  are  used  (since  large  value  metal  film 
resistors  are  not  available)  to  supply  about  90%  of  the  base 
bias  current.  If  these  resistors  change  by  1%,  the  specified 
initial  bias  current  will  change  by  about  9%  which  can  be  a 
substantial  drift.  Therefore  one  can  conclude  that  amplifiers 
without  internal  initial  current  compensation  will  exhibit  more 
stable  bias  current.  Under  these  conditions  long  term  bias  cur- 
rent stability  depends  primarily  on  the  stability  of  the  transistor 
or  FET  devices  which  may  be  better  than  1  % . 

INPUT  IMPEDANCE 

Differential  input  impedance,  Rd,  is  defined  as  the  impedance 
between  the  two  input  terminals,  measured  at  25 °C,  assuming 
that  the  error  voltage,  ee,  is  nulled  or  very  near  zero  volts  (see 
figure  1).  For  a  single  ended  amplifier,  Rd,  is  the  input  imped- 
ance since  the  plus  input  is  grounded.  To  a  first  approximation, 
dynamic  impedance  can  be  represented  by  a  capacitor,  Cd,  in 
parallel  with  Rd. 

Differential  input  impedance  is  among  the  most  difficult  para- 
meters to  measure  particularly  for  a  high  gain,  high  impedance 
type  amplifier.  In  general  this  measurement  can  only  be  made 
under  laboratory  conditions  by  an  experienced  engineer  with 
special  fixtures  to  shield  against  noise  pick  up.  For  this  reason 
most  companies  including  Analog  Devices  rarely  measure  this 
parameter  on  a  production  line  basis.  Fortunately  a  precise 
knowledge  of  Rd  is  not  required,  since  for  most  circuits,  so 
long  as  Rd  is  large  compared  to  the  external  feedback  imped- 
ance, its  value  has  little  bearing  on  closed  loop  performance. 

The  circuits  of  figure  1 2  show  in  principle  how  Rd  can  be  mea- 
sured with  enough  attention  to  reducing  noise.  These  circuits 
actually  measure  Rd  in  parallel  with  the  negative  input  common 
mode  impedance.  However,  common  mode  impedance  is  usually 
10  to  100  times  greater  than  Rd  so  that  the  error  is  negligible. 

Common  mode  impedance,  Rc„,  is  defined  as  the  impedance 
between  each  input  and  ground  or  power  supply  common  and 
is  specified  at  25°C.  (See  figure  1.)  For  most  circuits  common 
mode  impedance  on  the  negative  input,  Rc„",  has  little  signifi- 
cance except  for  the  capacitance  which  it  adds  to  the  summing 
junction.  However,  common  mode  impedance  on  the  plus 
input,  Rc„  +  ,  sets  the  upper  limit  on  closed  loop  input  imped- 
ance for  the  non-inverting  configuration.  Dynamic  impedance 
can  be  represented  by  a  capacitor,  Ccm,  in  parallel  with  Rcm 
which  usually  runs  from  5  to  25  pf  on  the  plus  input. 

The  circuit  of  figure  13  can  be  used  to  measure  Rcm+  up  to 
about  500M  ohms.  Use  an  oscillator  frequency  of  1  to  5Hz 
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and  adjust  R,  for  10%  reduction  at  the  output.  Then 
Rcm+  =9R,.  Above  this  impedance  it  is  advisable  to  substitute 
a  picoameter  for  the  resistor  Rs  and  to  measure  DC  bias  cur- 
rent as  a  function  of  common  mode  voltage. 

Common  mode  impedance  is  a  non-linear  function  of  both 
temperature  and  common  mode  voltage.  For  FET  amplifiers 
common  mode  impedance  is  reduced  by  a  factor  of  two  for  each 
10°C  temperature  rise. 

As  a  function  of  common  mode  voltage,  Rcm  is  defined  as 
average  impedance  for  a  common  mode  voltage  change  from 
zero  to  ±Ecm,  that  is,  maximum  common  mode  voltage.  Incre- 
mental R^  about  some  large  common  mode  voltage  may  be 
considerably  less  than  the  specified  average  Rc„,  especially  for 
FET  input  amplifiers. 

MAXIMUM  VOLTAGE  BETWEEN  INPUTS 

Under  most  operating  conditions,  feedback  maintains  the  error 
voltage,  ee,  between  inputs  very  near  to  zero  volts.  However, 
in  some  applications,  such  as  voltage  comparators,  or  where 
the  input  voltage  exceeds  the  level  required  to  saturate  the  out- 
put, the  voltage  between  inputs  can  become  large.  Ed  defines 
the  maximum  voltage  which  can  be  applied  between  inputs 
without  causing  permanent  damage  to  the  amplifier.  Placing 
parallel  back  to  back  diodes  across  the  input  terminals  is  one 
way  to  provide  added  protection  for  the  amplifier. 

MAXIMUM  COMMON  MODE  VOLTAGE 

For  differential  input  amplifiers,  the  voltage  at  both  inputs  can 
be  raised  above  ground  potential.  Common  mo'de  voltage,  ecm, 
is  defined  as  the  voltage  above  ground  at  each  input  when  both 
inputs  are  at  the  same  voltage.  Ecm  is  defined  as  the  maximum 
peak  common  mode  voltage  at  the  input  before  clipping  or 
excessive  non-linearity  is  seen  at  the  output.  Ec„  establishes  the 
maximum  input  voltage  for  the  voltage  follower  connection. 
(See  figure  7.) 




Ecm  is  measured  with  the  circuit  of  figure  7  by  increasing  the 
peak  input  voltage  (sinusoidal  waveform)  until  distortion  is 
seen  on  the  scope  (about  1  to  3%).  The  input  signal  frequency 
must  be  well  below  the  full  power  response  frequency,  fp,  for 
the  non  inverting  input. 

COMMON  MODE  REJECTION 

An  ideal  operational  amplifier  responds  only  to  the  difference 
voltage  between  inputs  (e+ —  e")  and  produces  no  output 
for  a  common  mode  voltage  —  that  is  when  both  inputs  are  at 
the  same  potential.  However,  due  to  slightly  different  gains 
between  the  plus  and  minus  inputs,  common  mode  input  volt- 
ages are  not  entirely  substracted  at  the  output.  If  we  refer  the 
output  common  mode  error  voltage  to  the  input  (dividing  by 
gain)  and  call  this  the  input  common  mode  error  voltage,eEc„, 

then  common  mode  rejection  (CMR)  is  defined  as  the  ratio 

.  i  ,     ,  r  .> .  tu   

of  common  mode  voltage  to  common  mode  error  voltage.  That 

is  CMR  =  ecn,/eecm.  CMR  is  sometimes  expressed  in  dB  in 

which  case  you  take  20  times  the  log  (base  10)  of  the  ratio. 

Errors  due  to  common  mode  rejection  can  be  represented  in 

the  equivalent  circuit  of  figure  1  by  a  voltage  generator,  eEc„, 

in  series  with  the  input.  Note  that  common  mode  error  goes 

to  zero  when  either  input  is  grounded.  Therefore  the  inverting 

configuration  does  not  exhibit  a  common  mode  error  since  the 

plus  input  is  grounded.  Thus  CMR  is  only  a  problem  in  the 

non-inverting  and  differential  configurations  where  common 

mode  voltage  varies  in  direct  proportion  to  the  input  signal. 

In  this  case  eeem  is  a  basic  measuring  error  which  affects  the 

overall  circuit  accuracy. 

For  example,  if  a  10  volt  signal,  e;,  were  applied  to  the  input 
of  the  circuit  in  Figure  14  common  mode  voltage,  ec„,  is  equal 
to  the  input  voltage,  e„  This  would  cause  a  common  mode  | 
voltage,  eecm>  of  2mV  for  an  amplifier  with  5,000  or  74dB  | 
CMR  and  thus  a0.02%measuring  error. 


lOO^f 


SET  t,  FOR  I  TO  5  Hi,  INCREASE  R,  UNTIL  OPENING  S, 
INCREASE  a,  BY  FACTOR  OF  2    THEN  R.-Rd 

FIGURE  12.  DIFFERENTIAL  IMPEDANCE  TEST  CIRCUITS 


BALANCE  0C  OUTPUT  REDUCE  «j  TO 
VOLTAGE  AND  FREQUENCY 


^INCREASE  Rs  TO  REDUCE  «o  BY  Krtt 
^Jf   THEN  R„-4Rj 


SPECIFICATIONS  LIST 
CMR  AS  AVERAGE 
SLOPE- 


CMR  AT  HIGH  VOLTAGE 
EXCEEDS  SPECIFIED 
(AVERAGE)  VALUE 


FIGURE  13.  COMMON  MODE  IMPEDANCE    FIGURE  14.  ILLUSTRATION  OF 
TEST  CIRCUIT  COMMON  MODE  VOLTAGE 


FIGURE  15.  CM  ERROR  VS  CM  VOLTAGE 
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Precisely  specifying  CMR  is  complicated  by  the  fact  that  com- 
mon voltage  error,  eccm,  can  be  a  highly  non-linear  function  of 
common  mode  voltage  and  it  also  varies  with  temperature.  This 
is  particularly  true  for  FET  input  amplifiers.  As  illustrated  by 
figure  15,  CMR  published  by  Analog  Devices  are  average 
figures  assuming  an  end  point  measurement  at  maximum 
common  mode  voltage,  ±Ecm.  But  the  incremental  CMR  about 
some  large  common  mode  voltage  may  be  less  than  the  average 
CMR  which  is  specified.  In  fact,  if  common  mode  error  were 
a  linear  function  of  common  mode  voltage  and  if  CMR  were 
not  strongly  influenced  by  temperature  then  this  source  of  error 
would  be  of  little  consequence.  This  follows  since  a  linear 
CMR  error  can  be  viewed  as  a  gain  error  which  could  be 
compensated  for  by  adjusting  the  closed  loop  gain.  Therefore 
linearity  of  common  mode  error,  eecm,  vs  common  mode  volt- 
age is  actually  more  important  for  many  applications  than 
CMR  itself. 

The  circuit  in  figure  16  provides  a  unique  method  to  instru- 
ment CMR  measurements  as  well  as  to  measure  the  non- 
linearity  of  common  mode  errors.  The  oscilloscope  display  will 
duplicate  the  pattern  of  figure  15.  A  floated  power  supply 
allows  a  single  ended  oscilloscope  to  be  used  and  almost  any 
regulated  power  supply  has  floated  outputs  with  sufficient  isola- 
tion. Published  CMR  specifications  apply  only  to  DC  input 
signals  so  that  this  measurement  should  be  made  with  a  signal 
frequency  of  5Hz  or  less.  CMR  at  higher  frequencies,  although 
not  guaranteed  by  the  specifications,  can  also  be  measured  with 
this  circuit.  It  is  further  assumed  that  the  external  circuit  imped- 
ances of  both  the  test  circuit  and  the  application  are  small 
compared  to  the  common  mode  impedance  to  avoid  additional 
common  mode  errors  due  to  impedance  unbalance. 

INPUT  NOISE 

Input  voltage  and  current  noise  characteristics  can  be  in  prin- 
ciple measured,  specified  and  analyzed  very  much  like  offset 
voltage  and  bias  current  characteristics.  In  fact,  offset  voltage 
and  bias  current  drift  can  be  considered  noise  which  occurs  at 
very  low  frequencies.  For  this  purpose  in  both  the  equivalent 
circuit  of  figure  1  and  the  test  circuit  of  figure  11,  replace 


eos  by  e„,  an  equivalent  voltage  noise  generator,  and  replace 
ib~  and  ib+  by  iN~  and  iN+,  equivalent  current  noise  generators. 
The  primary  difference  in  measuring  and  specifying  noise  as 
opposed  to  DC  drift  is  that  bandwidth  must  be  considered.  At 
low  frequencies,  100Hz  or  less,  1/f  noise  prevails  which  means 
that  the  noise  per  root  cycle  increases  inversely  with  frequency. 
At  the  mid  band  frequencies  noise  per  root  cycle  is  constant  or 
"white." 

To  measure  noise  a  sharp  cut  off  bandpass  filter  is  added  to  the 
output  of  the  circuit  of  figure  11.  Furthermore  the  impedance, 
gain  and  capacitors  must  be  adjusted  to  assure  that  neither  the 
amplifier  nor  the  external  feedback  components  limit  the  noise 
bandwidth  of  the  measurement.  For  very  low  current  noise,  it 
becomes  very  difficult  to  make  wideband  measurements  because 
of  the  interaction  of  stray  capacitance  and  the  large  sampling 
resistor  values  needed  to  boost  sensitivity. 

Usually  two  noise  measurements  are  taken.  Low  frequency 
noise  in  a  bandpass  of  .01  to  1Hz  is  measured  on  a  strip  chart 
recorder  and  is  specified  as  peak  to  peak  with  a  30*  uncertainty, 
meaning  that  99%  of  the  observed  peak  to  peak  exclusions  will 
fall  within  the  specified  limits.  Wideband  noise  in  a  bandpass 
of  5Hz  to  50kHz  is  measured  on  a  VTVM,  preferably  a  true 
RMS  type,  and  is  specified  as  rms.  Of  course,  shielding  be- 
comes very  critical  in  these  measurements  to  avoid  power  line 
frequency  and  radio  frequency  pick  up. 

I  1  !  1 


FIGURE  16.  CMR  TEST  CIRCUIT 
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Operational  Integrators 

by  Ray  Stata 


Modern  solid  state  operational  amplifiers  make  remarkably  good  integrators.  Almost 
any  degree  of  accuracy  can  be  achieved  depending  on  the  choice  of  the  amplifier  and 
the  feedback  capacitor.  A  great  deal  of  literature  exists*  which  discusses  integrator  error 
in  analog  computers  and  this  subject  will  not  be  covered  here.  But  we  shall  review  the 
non-ideal  characteristics  of  operational  amplifiers  (and  to  some  extent  capacitors)  which 
limit  the  performance  of  integrators  in  instrumentation  circuits.  This  we  hope  will  help 
the  reader  make  a  better  choice  of  amplifiers  for  his  particular  application. 

tKom  and  Korn,  electronic  Analog  and  Hybrid  Computers  —  McCraw  Hill. 


An  ideal  operational  amplifier  for  integrator  applica- 
tions would  have  infinite  open  loop  gain  and  input 
impedance  and  zero  offset  voltage  and  current  (that 
is,  e0=o,  when  e,  =  o).  For  this  case,  Figure  1  shows 
the  characteristics  of  an  ideal  integrator. 


'o1*1  ,  I  ,,  I  .  VOLTS/SEC 
„(.,    -'-RC"S'  VOLT 

Figure  1.  Ideal  Operational  Integrator 


The  gain  (or  characteristics  time)  of  the  circuit  is 
given  by  1/RC,  which  is  to  say  that  the  output  will 
change  by  (1/RC)  volts/sec  for  each  volt  of  input 
signal.  The  input  impedance  as  viewed  from  the 
source  voltage,  es,  is  determined  by  the  value  for  R. 

OFFSET  AND  DRIFT  ERRORS 

By  far  the  greatest  source  of  error  in  integrators  is 
due  to  offset  and  drift  of  the  amplifier.  An  equivalent 
circuit  is  given  in  Figure  2  from  which  we  can 
predict  the  errors  due  to  offset.  For  the  moment  we 
shall  assume  that  open  loop  gain,  A,  and  open  loop 
input  impedance,  Rd,  are  infinite. 

Reprinted  from  Analog  Dialogue  1-1  1967 


Figure  2.  Equivalent  Circuit  for  Integrator 
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As  shown  the  offset  voltage,  e<»,  and  the  offset  cur- 
rent, io,,  can  be  calculated  for  any  temperature,  sup- 
ply voltage  and  time  period  from  the  drift  coefficients 
of  the  amplifier.  It  is  usually  possible  to  adjust  the 
initial  offset  voltage  and  current,  EOI  and  U,  to  zero 
by  some  biasing  network. 
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Figure  3.  Offsets  Referred  to  the  Input 

input,  the  offsets  cannot  be  distinguished  from 
the  input  signal  and  hence  introduce  a  basic  error 
in  the  integration  of  the  signal.  The  percentage  error 
would  be,  %  error  (£01  +  io.R)  100/e„  where  e.  is 
the  time  average  of  the  input  signal  over  the  integra- 
tion period.  Notice  that  R  should  be  as  small  as 
possible  to  minimize  offset  errors  for  a  given  ampli- 
fier. But  remember  that  R  also  sets  the  input 
impedance  for  the  integrator. 

When  referred  to  the  input,  the  analysis  of  offset 
errors  is  not  much  different  for  an  integrator  than 
for  an  inverting  DC  amplifier.  More  detailed  infor- 
mation is  given  on  this  subject  in  an  Analog  Devices' 
application  note  entitled  "Part  IV,  Offset  and  Drift 
in  Operational  Amplifiers." 

In  some  applications  it  is  necessary  to  refer  the  off- 
set error  to  the  output  in  order  to  derive  meaningful 
results.  In  this  case  the  output  error  is  a  drift  rate 
which  is  given  by, 


de,  ^  eM  +  Ri„ 
dt  RC 


_e2!_+jo. 
RC  C 


Again,  we  see  that  output  drift  rate  is  minimized  by 
using  the  smallest  value  for  R  and  the  largest  value 
for  C.  This  follows  since  the  drift  rate  due  to  offset 
voltage  is  fixed  by  the  gain  of  the  circuit  (1/RC) 
whereas  the  drift  rate  due  to  offset  current  is  reduced 
by  using  a  larger  C. 

The  practical  limits  on  the  choice  of  R  and  C  are 
as  follows: 

1.  Source  impedance  sets  a  minimum  value  on 
input  impedance  which  is  equal  to  R. 

2.  The  physical  size,  price  and  quality  are  all  serious 
problems  in  using  large  value  capacitors  particu- 
larly when  greater  than  1  to  5/xf. 

For  differential  input  amplifiers,  the  error  due  to  off- 
set current  is  generally  reduced  by  balancing  the 
impedance  as  seen  from  each  input  to  ground.  For 
the  circuit  in  Figure  3  this  would  amount  to  inserting 
a  resistor  from  the  plus  input  to  ground  equal  to  R. 
Due  to  the  input  symmetry  of  a  differential  ampli- 


INPUT  IMPEDANCE  AND  BANDWIDTH 

The  open  loop  gain  response  for  most  operational 
amplifiers  can  be  represented  by  the  graph  in  Figure 


Figure  4.  Typical  Open  Loop  Cain  Response 

4.  If  we  go  back  to  Figure  2  and  assume  that  the 
amplifier  has  to  gain  response  of  Figure  4  and  an 
open  loop  input  impedance,  Rd,  then  the  exact 
expression  for  integrator  gain  would  be: 


e,(s) 
e,(s) 


-1 


RCs 


ideal 


-(^)Kk)J 

error  due  to  finite  gain 
and  bandwidth 


(1) 


where  Rp—  RoR/Rd  +  R  (parallel  sum) 

Equation  (1)  can  be  simplified  if  we  assume  that 
Ao>  >  1  (a  very  safe  bet): 


e.(s)  , 
e,(s) 


-1 


RCs 


1+- 


AoRpCs. 


forA„>>1 
(2) 


where  om  =A»/T0  is  the  amplifier 
unity  gain  bandwidth. 

HIGH  FREQUENCY  ERRORS 
DUE  TO  FINITE  BANDWIDTH 

Finite  amplifier  bandwidth  imposes  some  limitation 
on  the  ability  of  the  integrator  to  respond  to  instan- 
taneous input  changes.  The  transient  behavior  at 
t  =  o  can  be  predicted  by  examining  the  behavior  of 
equation  (2)  at  high  frequencies.  In  this  case  equation 
(2)  becomes: 


e,(s)         RCs    \  1+s/w,  / 


for  s>  >- 


(3) 


This  is  the  equation  for  an  ideal  integrator  except  for 
a  time  lag  which  is  inversely  proportional  to  the 
unity  gain  bandwidth,  <u,.  To  illustrate  the  error  due 
to  finite  bandwidth,  consider  the  response  of  (3)  to 
a  step  function  input  as  given  by  (4)  and  Figure  5 


e.(t)  '<* 


1 

RC 


(t-1/„) 


for  e,(t)  =  —/i 


•i(t) 

(4) 
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Figure  5.  Step  Response  of  Integrator  at  t  =  o 


Note  that  the  time  lag  depends  only  on  amplifier 
open  loop  bandwidth,  <•>,,  and  is  independent  of  the 
values  for  R  and  C. 

LOW  FREQUENCY  ERRORS 
DUE  TO  FINITE  GAIN 

The  behavior  of  an  integrator  over  long  time  periods 
can  be  predicted  by  the  low  frequency  response  of 
the  circuit.  In  this  case,  where  s<<o>,,  equation 
(2)  becomes: 


eo(s). 
e,(s) " 


-1 


RCs 


1+- 


AcRpCs  J 


AoRp/R 


1  +  A.RpCs 

(5) 


Insight  is  gained  into  the  operation  of  integrators  at 
low  frequencies  by  realizing  that  (5)  is  equivalent  to 
the  response  of  an  ideal  integrator  with  an  infinite 
gain  and  input  impedance  amplifier,  but  with  a  feed- 
back resistor  A„RP  in  parallel  with  the  feedback 
capacitor  as  shown  in  Figure  6. 


Figure  7.  Step  Response  Showing  Low  Frequency  Error 
Due  to  Finite  Gain 

The  first  term  in  this  series  is  the  response  for  an 
ideal  integrator,  while  the  second  term  is  the  prin- 
ciple error  component  which  grows  as  the  square 
of  time. 

In  summary  low  frequency  integrator  errors  are 
inversely  proportional  to  finite  open  loop  voltage 
gain.  This  follows  from  the  fact  that  with  finite  gain 
the  error  voltage  is  not  zero,  as  usually  assumed, 
which  tends  to  reduce  input  current  as  the 
output  grows. 

INTEGRATOR  HOLD  ERRORS 

One  important  use  of  integrator  circuits  is  to  pre- 
cisely remember  or  hold  a  voltage  potential.  Finite 
amplifier  gain  causes  a  fixed  integrator  output  voltage 
to  droop. 

Intuitively  it  is  apparent  from  Figure  6  that  the  effec- 
tive leakage  resistance,  AoRp,  due  to  finite  voltage 
gain  and  input  impedance  tends  to  discharge  any  , 
fixed  voltage  stored  across  the  feedback  capacitor. 
To  develop  a  quantitative  expression  for  this  error, 
assume  that  the  circuit  in  Figure  6  has  the  initial 
condition  e(o)  =  Eo  and  that  es  =  o.  In  this  case,  the 
output  voltage  is  simply: 

eo(t)=Eoe-"AoRilC 

By  expansion  this  becomes: 


Figure  6.  Integrator  Low  Frequency  Equivalent  Circuit 


To  illustrate  more  clearly  the  effect  of  low  frequency 
errors,  consider  the  response  of  (5)  to  a  step  function 
input  as  given  by  (6)  and  Figure  7. 


e.(t)  ■ 


e-tfAoRpC)(  for  e,(t)=-M-l(t) 


Expanding  (6)  into  a  power  series  we  have:  (6> 

t  e_ 

RC     2A.(R,,C)  (RC) 


e.(t)  = 


-+  


e°(,)  =  E°-E{^-2lAiPc7+"""] 


(7) 


The  first  item  of  (7)  is  the  output  of  an  ideal  integra- 
tor, while  the  terms  in  the  brackets  represent  the 
errors  due  to  finite  gain.  Figure  8  shows  integrator 
hold  error. 


^-  IDEAL 


Figure  8.  Integrator 
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It  is  interesting  to  note  that  minimum  error  is 
obtained  in  hold  operation  when  the  input  resistor 
is  open  circuited  rather  than  short  circuited.  In  this 
case  the  equivalent  circuit  is  shown  in  Figure  9. 


A„Rd 


Figure  9.  Hold  Circuit  with  Input  Open 


Note  that  the  equivalent  feedback  leakage  resistor  is 
determined  only  by  the  open  loop  input  impedance 
and  gain  (A0Rd).  Further,  the  output  drift  rate  is 
determined  only  by  the  offset  current.  Voltage  offset 
appears  at  the  output  as  a  fixed  offset. 

FEEDBACK  CAPACITOR 

The  performance  of  operational  amplifiers  have  now 
reached  the  point  where  the  quality  of  the  feedback 
capacitor  can  limit  the  accuracy  in  the  most  precise 


applications.  Therefore  a  brief  discussion  of  capaci- 
tor limitations  will  be  helpful  in  precise  integrator 
design. 

The  chart  in  Figure  10  shows  the  salient  character- 
istics for  various  types  of  high  quality  capacitors. 
This  data  was  compiled  with  the  assistance  of  South- 
ern Electronics  Corporation,  Burbank,  California,  a 
capacitor  manufacture  who  specializes  in  high 
quality  capacitors  for  integrator  applications.  An 
application  note  from  this  company  entitled 
"Capacitor  Talk"  gives  more  information  on  the 
interpretation  of  capacitor  specifications. 

In  analog  computers  where  scale  factor  accuracy  is 
important  it  is  common  practice  to  enclose  the  feed- 
back capacitor  in  a  temperature  controlled  oven. 
In  this  case  long  term  stability  of  capacitance  value 
for  polystyrene  and  mylar  capacitors  is  about  0.1% 
per  year. 

Insulation  Resistance  —  One  important  limitation  for 
integrator  capacitors  is  insulation  or  leakage  resist- 
ance. The  specification  used  to  define  this  limitation 
usually  is  expressed  in  megohms  -  microfarads,  which 
is  equivalent  to  the  time  in  seconds  for  a  fixed  volt- 
age stored  on  the  capacitor  to  discharge  to  63%  of 
its  initial  value.  As  a  general  rule  the  maximum  insu- 
lation resistance  is  about  two  times  the  value  for  a 
one  microfarad  capacitor,  which  establishes  the  limit 
for  insulation  resistance  of  small  capacitor  values. 


Dielectric 

Mylar 

Metalized 
Mylar 

Poly- 
carbonate 

Metalized 

Poly- 
carbonate 

Polystyrene 

Teflon 

Metalized 
Teflon 

Temperature  Range 
Hi  Temp  (°C) 
Lo  Temp  (°C) 

+  125 
-65 

+  125 
-65 

+  125 
-65 

+  125 
-65 

+  85 
-65 

+  200 
-65 

+  200 
-65 

Temperature  Coefficient 
-65°C  to  25°C  (%) 
25°CtoHiTemp  (%) 

-6 
+  12 

-6 
+  12 

-1.5 

±0.5 

-1.5 
±0.5 

+  0.9 
-0.6 

+  1.9 
-3.7 

+  0.5 
-1.0 

Dielectric  Absorption 
%  @  25°C 

0.1 

0.1 

.05 

.05 

.02 

.01 

.02 

Dissipation  Factor 
@25°C  (%) 
@  Hi  Temp  (%) 

0.3 
1.2 

0.5 
1.7 

0.1 

0.07 

0.2 
0.6 

0.02 
0.04 

0.01 
0.02 

0.1 
0.2 

Insulation  Resistance 
@  25  °C  (M£M) 
@  Hi  Temp  (MQ-juf) 

2x10s 
3x1 02 

5x10" 
1x10* 

4x10s 
1.5X104 

■ 

2x10s 
15X102 

1X106 
7x10* 

1x10s 
1x10s 

5x10s 
2.5x10* 

Approximate  Size  for  50Vdc 
cubic  inch/Vf  (uncased) 
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Figure  10.  Comparison  of  Capacitor  Specifications 
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The  effect  of  insulation  resistance  can  be  represented 
in  Figures  6  and  9  as  another  resistance  in  parallel 
with  A„Rpor  A„Rd  and  the  issuing  equations  are  modi- 
fied accordingly.  The  insulation  resistance  of  the  very 
best  capacitors  is  about  1012  ohms.  By  comparison  a 
chopper  stabilized  operational  amplifier  will  have 
open  loop  input  impedance,  Rd,  of  106  ohms  and 
open  loop  gain,  Ao,  of  10s  giving  an  equivalent  resist- 
ance of  1014.  Even  an  inexpensive  differential  ampli- 
fier will  have  equivalent  leakage  resistance  of  1010  to 
1011  ohms.  Thus  we  see  that  the  capacitor  and  not 
the  amplifier  usually  sets  the  limit  on  performance 
in  this  regard. 

Dielectric  Absorption  —  One  of  the  single  most  im- 
portant dynamic  errors  of  integration  is  due  to 
dielectric  absorption.  This  error  results  from  the  fact 
that  when  a  capacitor  is  charged  or  discharged  not 
all  of  the  dielectric  polarization  takes  place  immedi- 
ately. Consequently  there  can  be  an  appreciable  re- 
sidual voltage  with  a  relatively  long  time  constant. 
The  specification  given  for  this  parameter  is  the  re- 
sidual voltage  expressed  as  a  percentage  of  the  ap- 
plied voltage  measured  approximately  one  second 
after  the  capacitor  is  discharged.  Polystyrene  and  tef- 
lon are  mostly  used  for  precision  integrators  since 
these  materials  have  small  but  measurable  errors  due 
to  dielectric  absorption.  For  additional  information 
on  analyzing  this  source  of  error  you  should  refer  to 
"An  Analysis  of  Certain  Errors  in  Electronic  Differen- 
tial Analyzers  II — Capacitor  Dielectric  Absorption," 
P.  C.  Dow,  IRE  Trans,  on  Electronic  Computers,  Vol. 
EC-7,  pp.17-22,  March,  1958. 

Dissipation  Factor,  which  is  related  to  dielectric  ab- 
sorption, can  be  termed  the  sum  total  of  all  the 
losses  in  the  capacitor  and  is  expressed  as  the  per- 
centage ratio  of  the  effective  series  resistance  to  the 
reactive  capacitance,  or  as  the  tangent  of  the  loss 
angle.  Dissipation  factor  is  important  in  AC  integra- 
tors or  in  analog  computers  where  repetitive  integra- 
tion is  performed. 

LEAKAGE  RESISTANCE 

In  the  highest  performance  integrators,  leakage 
resistance  to  the  summing  junction  or  across  the 
feedback  capacitor  can  play  a  large  role  in  the 
attainable  performance.  It  is  extremely  important  to 
shield  the  summing  junction  and  its  leads  from  leak- 
age paths  to  potentials  other  than  ground.  For 
example,  offset  current,  which  is  one  of  the  princi- 
ple limitations  to  good  integrator  performance,  in  a 
good  chopper  amplifier  is  about  10~"  amps.  The 
insulation  resistance  required  to  keep  the  leakage 
current  from  the  15VDC  supply  voltage  less  than 
10-11  amp  would  have  to  be  greater  than  one  mil- 


lion megohms.  The  insulation  resistance  of  most 
wire  and  connectors  fall  short  of  this  requirement. 
However,  by  properly  shielding  the  summing  junc- 
tion and  its  leads,  leakage  currents  from  active 
sources  are  shunted  to  ground,  effectively  creating 
extremely  high  insulation  resistance  from  these  po- 
tentials to  the  summing  junction. 

By  the  same  token  leakage  resistance  of  the  clamp- 
ing circuits  across  the  feedback  capacitor  used  to 
reset  the  integrator  should  not  be  overlooked  when 
calculating  the  effective  leakage  of  a  feedback  ca- 
pacitor. For  example,  the  leakage  resistance  of  a 
computer  grade  capacitor  is  typically  1012  ohms, 
which  may  be  negligible  compared  to  the  leakage 
resistance  of  a  relay  or  a  solid  state  switch. 

AC  INTEGRATORS 

In  some  applications  it  may  be  desirable  to  integrate 
AC  signals  over  a  reasonably  long  time  and  it  may 
not  be  possible  to  reset  the  output  to  zero  periodic- 
ally. In  this  case  the  DC  offset  problem  can  be  allevi- 
ated in  part  by  bounding  the  DC  closed  loop  gain  as 
shown  in  Figure  11. 
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Figure  11.  AC  Integrator 

The  closed  loop  response  for  this  circuit  is  shown  in 
Figure  12. 

For  frequencies  greater  than  I/R2C  the  response  ap- 
proaches that  of  an  ideal  integrator  with  gain  of 
1/RiC.  For  example,  for  signal  frequencies,  u>s,  a 
decade  away  from  the  corner  frequency,  1/RiC,  the 
gain  error  is  only  .5%. 

The  advantage  of  bounding  the  DC  gain  with  R2  is 
that  the  amplifier  output  will  not  drift  into  satura- 
tion. Instead  the  output  will  assume  a  DC  value  of 
eo  =  —  R;/R,  (eos  +  R.ios).  This  output  will  limit  the 
dynamic  range  for  AC  output  signals; but,  by  choos- 
ing an  amplifier  with  sufficiently  low  offsets,  satis- 
factory operation  can  be  obtained  for  many  AC  inte- 
grator applications. 
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Figure  12.  Cain  Response  for  AC  integrator 

For  integration  of  very  low  frequency  AC  signals,  the 
DC  gain  requirements  of  the  previous  circuit  are  so 
large  as  to  cause  saturation  of  the  output.  In  this 
case  the  following  circuit  allows  the  DC  gain  to  be 
reduced. 

The  lowest  frequency  which  can  be  accurately  inte- 
grated is  limited  by  the  size  for  C2.  The  general  ex- 
pression for  the  corner  frequencies  «i  and  u>2  are 
rather  complex  and  as  a  practical  matter  can  only  be 
determined  by  trial  and  error  calculations.  The  low- 
est signal  frequency,  a>s,  should  be  at  least  ten  times 
greater  than  <m 
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Figure  13.  Low  Frequency  AC  Integrator 
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An  I.C.  Amplifier  User's  Guide 
to  Decoupling,  Grounding, 
and  Making  Things 
Go  Right  for  a  Change 

by  Paul  Brokaw 


"There  once  was  a  breathy  baboon 
Who  always  breathed  down  a  bassoon. 

For  he  said  "It  appears 

that  in  billions  of  years 
I  shall  certainly  hit  on  a  tune" 

(Sir  Arthur  Eddington) 
This  quotation  seemed  a  proper  note  with  which  to  begin 
on  a  subject  which  has  made  monkeys  of  most  of  us  at  one 
time  or  another.  The  struggle  to  find  a  suitable  configura- 
tion for  system  power,  ground,  and  signal  returns  too  fre- 
quently degenerates  into  a  frustrating  glitch  hunt.  While  a 
strictly  experimental  approach  can  be  used  to  solve  simple 
problems,  a  little  forethought  can  often  prevent  serious 
problems  and  provide  a  plan  of  attack  if  some  judicious 
tinkering  is  later  required. 

The  subject  is  so  fragmented  that  a  completely  general 
treatment  is  too  difficult  for  me  to  tackle.  Therefore,  I'd 
like  to  state  one  general  principle  and  then  look  a  bit  more 
narrowly  at  the  subject  of  decoupling  and  grounding  as  it 
relates  to  integrated  circuit  amplifiers. 

.  .  .  Principle:  Think— where  the  currents  will  flow. 

I  suppose  this  seems  pretty  obvious,  but  all  of  us  tend  to 
think  of  the  currents  we're  interested  in  as  flowing  "out"  of 
some  place  and  "through"  some  other  place  but  often  ne- 
glect to  worry  how  the  current  will  find  its  way  back  to  its 
source.  One  tends  to  act  as  if  all  "ground"  or  "supply  volt- 
age" points  are  equivalent  and  neglect  (for  as  long  as  possi- 
ble) the  fact  that  they  are  parts  of  a  network  of  conductors 
through  which  currents  flow  and  develop  finite  voltages. 

In  order  to  do  some  advance  planning  it's  important  to 
consider  where  the  currents  originate  and  to  where  they 
will  return  and  to  determine  the  effects  of  the  resulting 
voltage  drops.  This  in  turn  requires  some  minimum  amount 
of  understanding  of  what  goes  on  inside  the  circuits  being 
decoupled  and  grounded.  This  information  may  be  lacking 
or  difficult  to  interpret  when  integrated  circuits  are  part  of 
the  design. 

Operational  amplifiers  are  one  of  the  most  widely  used  lin- 
ear I.C.'s,  and  fortunately  most  of  them  fall  into  a  few 
classes,  so  far  as  the  problems  of  power  and  grounding  are 


concerned.  Although  the  configuration  of  a  system  may 
pose  formidable  problems  of  decoupling  and  signal  returns, 
some  basic  methods  to  handle  many  of  these  problems  can 
be  developed  from  a  look  at  op-amps. 

OP  AMPS  HAVE  FOUR  TERMINALS: 

A  casual  look  through  almost  any  operational  amplifier  text 
might  leave  the  reader  with  the  impression  that  an  ideal 
op-amp  has  three  terminals:  a  pair  of  differential  inputs  and 
an  output  as  shown  in  Figure  1.  A  quick  review  of  funda- 
mentals, however,  shows  that  this  can't  be  the  case.  If  the 
amplifier  has  an  output  voltage  it  must  be  measured  with 
respect  to  some  point ...  a  point  to  which  the  amplifier  has 
a  reference.  Since  the  ideal  op-amp  has  infinite  common 
mode  rejection,  the  inputs  are  ruled  out  as  that  reference  so  I 
that  there  must  be  a  fourth  amplifier  terminal.  Another 
way  of  looking  at  it  is  that  if  the  amplifier  is  to  supply  out- 
put current  to  a  load,  that  current  must  get  into  the  ampli- 
fier somewhere.  Ideally,  no  input  current  flows,  so  again 
the  conclusion  is  that  a  fourth  terminal  is  required. 


Figure  1.   Conventional  "Three  Terminal"  Op  Amp 

A  common  practice  is  to  say,  or  indicate  in  a  diagram,  that 
this  fourth  terminal  is  "ground."  Well,  without  getting  into 
a  discussion  of  what  "ground"  may  be  we  can  observe  that 
most  integrated  circuit  op-amps  (and  a  lot  of  the  modular 
ones  as  well)  don't  have  a  "ground"  terminal.  With  these 
circuits  the  fourth  terminal  is  one  or  both  of  the  power 
supply  terminals.  There's  a  temptation  here  to  lump  to- 
gether both  supply  voltages  with  the  ubiquitous  ground. 
And,  to  the  extent  that  the  supply  lines  really  do  present  a 
low  impedance  at  all  frequencies  within  the  amplifier  band- 
width, this  is  probably  reasonable.  When  the  impedance 
requirement  isn't  satisfied,  however,  the  door  is  left  open  to 
a  variety  of  problems  including  noise,  poor  transient 
response,  and  oscillation. 
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DIFFERENTIAL  TO  SINGLE-ENDED  CONVERSION: 

One  fundamental  requirement  of  a  simple  op-amp  is  that  an 
applied  signal  which  is  fully  differential  at  the  input  must 
be  converted  to  a  single-ended  output.  Single  ended,  that  is, 
with  respect  to  the  often  neglected  fourth  terminal.  To  see 
how  this  can  lead  to  difficulties,  take  a  look  at  Figure  2. 


CURRENT 
MIRROR 

  +> 

Figure  2.  Simplified  "Real"  Op  Amp 

The  signal  flow  illustrated  by  Figure  2  is  used  in  several 
popular  integrated  circuit  families.  Details  vary,  but,  the 
basic  signal  path  is  the  same  as  the  101,  741,  748,  777, 
4136,  503,  515,  and  other  integrated  circuit  amplifiers.  The 
circuit  first  transforms  a  differential  input  voltage  into  a 
differential  current.  This  input  stage  function  is  represented 
by  PNP  transistors  in  Figure  2.  The  current  is  then  con- 
verted from  differential  to  single-ended  form  by  a  current 
mirror  which  is  connected  to  the  negative  supply  rail.  The 
output  from  the  current  mirror  drives  a  voltage  amplifier 
and  power  output  stage  which  is  connected  as  an  integrator. 
The  integrator  controls  the  open-loop  frequency  response, 
and  its  capacitor  may  be  added  externally,  as  in  the  101,  or 
may  be  self-contained,  as  in  the  741.  Most  descriptions  of 
this  simplified  model  don't  emphasize  that  the  integrator 
has,  of  course,  a  differential  input.  It's  biased  positive  by  a 
couple  of  base  emitter  voltages,  but,  the  non-inverting 
integrator  input  is  referred  to  the  negative  supply. 

It  should  be  apparent  that  most  of  the  voltage  difference 
between  the  amplifier  output  and  the  negative  supply 
appears  across  the  compensation  capacitor.  If  the  negative 
supply  voltage  is  changed  abruptly  the  integrator  amplifier 
will  force  the  output  to  follow  the  change.  When  the  entire 
amplifier  is  in  a  closed  loop  configuration  the  resulting 
error  signal  at  its  input  will  tend  to  restore  the  output,  but, 
the  recovery  will  be  limited  by  the  slew  rate  of  the  ampli- 
fier. As  a  result,  an  amplifier  of  this  type  may  have  out- 
standing low  frequency  power  supply  rejection,  but,  the 
negative  supply  rejection  is  fundamentally  limited  at  high 
frequencies.  Since  it  is  the  feedback  signal  to  the  input  that 
causes  the  output  to  be  restored,  the  negative  supply  rejec- 
tion will  approach  zero  for  signals  at  frequencies  above  the 
closed  loop  bandwidth.  This  means  that  high-speed,  high- 
level  circuits  can  "talk  to"  low-level  circuits  through  the 
common  impedance  of  the  negative  supply  line. 

Note  that  the  problem  with  these  amplifiers  is  associated 
with  the  negative  supply  terminal.  Positive  supply  rejection 
may  also  deteriorate  with  increasing  frequency,  but,  the 
effect  is  less  severe.  Typically,  small  transients  on  the  posi- 


tive supply  have  only  a  minor  effect  on  the  signal  output. 
The  difference  between  these  sensitivities  can  result  in  an 
apparent  asymmetry  in  the  amplifier  transient  response.  If 
the  amplifier  is  driven  to  produce  a  positive  voltage  swing 
across  its  rated  load  it  will  draw  a  current  pulse  from  the 
positive  supply.  The  pulse  may  result  in  a  supply  voltage 
transient,  but,  the  positive  supply  rejection  will  minimize 
the  effect  on  the  amplifier  output  signal.  In  the  opposite 
case,  a  negative  output  signal  will  extract  a  current  from  the 
negative  supply.  If  this  pulse  results  in  a  "glitch"  on  the 
bus,  the  poor  negative  supply  rejection  will  result  in  a 
similar  "glitch"  at  the  amplifier  output.  While  a  positive 
pulse  test  may  give  the  amplifier  transient  response,  a  nega- 
tive pulse  test  may  actually  give  you  a  pretty  good  look  at 
your  negative  supply  line  transient  response,  instead  of  the 
amplifier  response! 

Remember  that  the  impulse  response  of  the  power  supply 
itself  is  not  what  is  likely  to  appear  at  the  amplifier.  Thirty 
or  forty  centimeters  of  wire  can  act  like  a  high  Q  inductor 
to  add  a  high-frequency  component  to  the  normally  over- 
damped  supply  response.  A  decoupling  capacitor  near  the 
amplifier  won't  always  cure  the  problem  either,  since  the 
supply  must  be  decoupled  to  somewhere.  If  the  decoupled 
current  flows  through  a  long  path,  it  can  still  produce  an 
undesirable  glitch. 

Figure  3  illustrates  three  possible  configurations  for  nega- 
tive supply  decoupling.  In  3a  the  dotted  line  shows  the 
negative  signal  current  path  through  the  decoupling  and 
along  the  ground  line.  If  the  load  "ground"  and  decoupled 
"ground"  actually  join  at  the  power  supply  the  "glitch"  on 
the  ground  lines  is  similar  to  the  "glitch"  on  the  negative 
supply  bus.  Depending  upon  how  the  feedback  and  signal 
sources  are  "grounded"  the  effective  disturbance  caused  by 
the  decoupling  capacitor  may  be  larger  than  the  disturbance 
which  it  was  intended  to  prevent.  Figure  3b  shows  how  the 
decoupling  capacitor  can  be  used  to  minimize  disturbance 
of  V—  and  ground  busses.  The  high-frequency  component 
of  the  load  current  is  confined  to  a  loop  which  doesn't 
include  any  part  of  the  ground  path.  If  the  capacitor  is  of 
sufficient  size  and  quality,  it  will  minimize  the  glitch  on  the 
negative  supply  without  disturbing  input  or  output  signal 
paths.  When  the  load  situation  is  more  complex,  as  in  3c,  a 
little  more  thought  is  required.  If  the  amplifier  is  driving  a 
load  that  goes  to  a  virtual  ground,  the  actual  load  current 
does  not  return  to  ground.  Rather,  it  must  be  supplied  by 
the  amplifier  creating  the  virtual  ground  as  shown  in  the 
figure.  In  this  case,  decoupling  the  negative  supply  of  the 
first  amplifier  to  the  positive  supply  of  the  second  amplifier 
closes  the  fast  signal  current  loop  without  disturbing 
ground  or  signal  paths.  Of  course,  it's  still  important'to 
provide  a  low  impedance  path  from  "ground"  to  V—  for 
the  second  amplifier  to  avoid  disturbing  the  input 
reference. 

The  key  to  understanding  decoupling  circuits  is  to  note 
where  the  actual  load  and  signal  currents  will  flow.  The  key 
to  optimizing  the  circuit  is  to  bypass  these  currents  around 
ground  and  other  signal  paths.  Note,  that  as  in  figure  3a, 
"single  point  grounding"  may  be  an  oversimplified  solution 
to  a  complex  problem. 
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Figure  3a.   Decoupling  for  Negative  Supply  Ineffective 


Figure  3b.  Decoupling  Negative  Supply  Optimized  for 
"Grounded"  Load 


Figure  3c.    Decoupling  Negative  Supply  Optimized  for 
"Virtual  Ground"  Load 

Figure  3b  and  3c  have  been  simplified  for  illustrative  pur- 
poses. When  an  entire  circuit  is  considered  conflicts  fre- 
quently arise.  For  example,  several  amplifiers  may  be 
powered  from  the  same  supply,  and  an  individual  decou- 
pling capacitor  is  required  for  each.  In  a  gross  sense  the 
decoupling  capacitors  are  all  paralleled.  In  fact,  however, 
the  inductance  of  the  interconnecting  power  and  ground 
lines  convert  this  harmless-looking  arrangement  into  a  com- 
plex L-C  network  that  often  rings  like  the  "Avon  Lady".  In 
circuits  handling  fast  signal  wavefronts,  decoupling  net- 
works paralleled  by  more  than  a  few  centimeters  of  wire 
generally  mean  trouble.  Figure  4  shows  how  small  resistors 
can  be  added  to  lower  the  Q  of  the  undesired  resonant 
circuits.  The  resistors  can  generally  be  tolerated  since  they 
convert  a  bad  high-frequency  jingle  to  a  small  damped  sig- 
nal at  the  op  amp  supply  terminal.  The  residual  has  larger 
low  frequency  components,  but,  these  can  be  handled  by 
the  op-amp  supply  rejection. 


Figure  4.  Damping  Parallel  Decoupling  Resonances 
FREQUENCY  STABILITY: 

There's  a  temptation  to  forget  about  decoupling  the  nega- 
tive supply  when  the  system  is  intended  to  handle  only 
low-frequency  signals.  Granted  that  decoupling  may  not  be 
required  to  handle  low-frequency  signals,  but  it  may  still  be 
required  for  frequency  stability  of  the  op-amps. 

Figure  5  is  a  more-detailed  version  of  Figure  2  showing  the 
output  stage  of  the  I.C.  separated  from  the  integrator  (since 
this  is  the  usual  arrangement)  and  showing  the  negative 
power  supply  and  wiring  impedance  lumped  together  as  a 
single  constant.  The  amplifier  is  connected  as  a  unity  gain 
follower.  This  makes  a  closed-loop  path  from  the  amplifier 
output  through  the  differential  input  to  the  integrator  in- 
put. There  is  a  second  feedback  path  from  the  collector  of 
the  output  PNP  transistor  back  to  the  other  integrator  in- 
put. The  net  input  to  the  integrator  is  the  difference  of  the 
signals  through  these  two  paths.  At  low  frequencies  this  is  a 
net,  negative  feedback.  The  high-frequency  feedback  de- 
pends upon  both  the  load  reactance  and  the  reactance  of 
the  V-  supply. 


1  1  V- IMPEDANCE  |  V- 


Figure  5.   Instability  Can  Result  from  Neglecting 
Decoupling 

When  the  supply  lead  reactance  is  inductive,  it  tends  to 
destabilize  the  integrator.  This  situation  is  aggravated  by  a 
capacitive  load  on  the  amplifier.  Although  it's  difficult  to 
predict  under  exactly  what  circumstances  the  circuit  will 
become  unstable,  it's  generally  wise  to  decouple  the  nega- 
tive supply  if  there  is  any  substantial  lead  inductance  in  the 
V—  lead  or  in  the  common  return  to  the  load  and  amplifier 
input  signal  source.  If  the  decoupling  is  to  be  effective,  of 
course,  it  must  be  with  respect  to  the  actual  signal  returns, 
rather  than  to  some  vague  "ground"  connection. 

POSITIVE  SUPPLY  DECOUPLING: 

Up  to  this  point  we  haven't  considered  decoupling  the  posi- 
tive supply  line,  and  with  amplifiers  typified  by  Figures  2 
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and  5  there  may  be  no  need  to.  On  the  other  hand,  there 
are  a  number  of  integrated  circuit  amplifiers  which  refer  the 
compensating  integrator  to  the  positive  supply.  Among 
these  are  the  108,  504,  and  510  families.  When  these  cir- 
cuits are  used,  it's  the  positive  supply  which  requires  most 
attention.  The  considerations  and  techniques  described  for 
the  class  of  circuits  shown  in  Figure  2  apply  equally  to  this 
second  class,  but,  should  be  applied  to  the  positive  supply 
rather  than  the  negative. 

FEED-FORWARD: 

A  technique  which  is  most  frequently  used  to  improve 
bandwidth  is  called  feed-forward.  Generally,  feed-forward  is 
used  to  bypass  an  amplifier  or  level  translator  stage  which 
has  poor  high  frequency  response.  Figure  6  illustrates  how 
this  may  be  done.  Each  of  the  amplifiers  shown  is  really  a 
subcircuit,  usually  a  single  stage,  in  the  overall  amplifier.  In 
the  illustration,  the  input  stage  converts  the  differential  in- 
put to  a  single-ended  signal.  The  signal  drives  an  intermedi- 
ate stage  (which  in  practice  often  includes  level  translator 
circuitry)  which  has  low-frequency  gain,  but,  limited  band- 
width. The  output  of  this  stage  drives  an  integrator-ampli- 
fier and  output  stage.  The  overall  compensation  capacitor 
feeds  back  to  the  input  of  the  second  stage  and  includes  it 
in  the  integrator  loop.  The  compromises  necessary  to  ob- 
tain gain  and  level  translation  in  the  intermediate  stage 
often  limit  its  bandwidth  and  slow  down  the  available  inte- 
grator response.  A  feed-forward  capacitor  permits  high- 
frequency  signals  to  bypass  this  stage.  As  a  result,  the  over- 
all amplifier  combines  the  low-frequency  gain  available 
from  3  stages  with  the  improved  frequency  response  avail- 
able from  a  2-stage  amplifier.  The  feed-forward  capacitor 
also  feeds  back  to  the  non-inverting  input  of  the  intermedi- 
ate stage.  Note  that  the  second  stage  is  not  an  integrator,  as 
it  may  appear  at  first  glance,  but  actually  has  a  positive 
feedback  connection.  Fed-forward  amplifiers  must  be  care- 
fully designed  to  avoid  internal  oscillations  resulting  from 
this  connection.  Improper  decoupling  can  upset  this  plan 
and  permit  this  loop  to  oscillate. 


Figure  6.   Fast  Fed-Forward  Amplifier 

Note  that  the  internal  input  stages  are  shown  as  being 
referred  to  separated  reference  points,  Ideally,  these  will 
be  the  same  reference  so  far  as  signals  are  concerned, 
although  they  may  differ  in  bias  level.  In  practice  this 
may  not  be  the  case.  Examples  of  fed-forward  amplifiers 
are  the  AD518  and  the  AD707.  In  these  amplifiers,  signal 
Reference  1  is  the  positive  supply,  while  signal  Refer- 
ence 2  is  the  negative  supply.  Signals  appearing  be- 


tween the  positive  and  negative  supply  terminals  are 
effectively  inserted  inside  the  integrator  loop! 

Obviously,  while  feed-forward  is  a  valuable  tool  for  the 
high-speed  amplifier  designer,  it  poses  special  problems  in 
application.  A  thoughtful  approach  to  decoupling  is  re- 
quired to  maximize  bandwidth  and  minimize  noise,  error, 
and  the  likelihood  of  oscillation. 

Some  fed-forward  amplifiers  have  other  arrangements, 
which  include  the  "ground"  terminal  in  inverting  only  am- 
plifiers. Almost  without  exception,  however,  signals  be- 
tween some  combination  of  the  supply  terminals  get  "in- 
side" the  amplifier.  It  is  vital  to  proper  operation  that  the 
involved  supply  terminals  present  a  common  low  imped- 
ance at  high  frequencies.  Many  high-speed  modular  ampli- 
fiers include  appropriate  capacitive  decoupling  within  the 
amplifier,  but,  with  I.C.  op  amps  this  is  impossible.  The 
user  must  take  care  to  provide  a  cleanly  decoupled  supply 
for  fed-forward  amplifiers.  Figure  7  shows  a  decoupling 
method  which  may  be  applied  to  the  AD518  as  well  as  to 
other  fast  fed-forward  amplifiers  such  as  the  118.  One  ca- 
pacitor is  used  to  provide  a  low-impedance  path  between 
the  supply  terminals  at  high  frequencies.  The  resistor  in  the 
V+  lead  insures  that  noise  on  the  supply  lines  will  be  re- 
jected and  prevents  the  establishment  of  resonances  with 
other  decoupling  circuits.  The  second  capacitor  decouples 
the  low  side  of  the  integrator  to  the  load. 


Figure  7.  Decoupling  for  a  Fed-Forward  Amplifier 

Alternatives  include  a  resistor  in  both  supply  leads  and/or 
decoupling  from  V+  to  the  load.  In  principle,  the  positive 
and  negative  supply  should  be  tied  in  a  "tight  knot"  with 
the  signal  return.  To  the  extent  that  this  cannot  be  done, 
there  is  a  slight  advantage  to  favoring  the  negative  supply 
due  to  the  high  frequency  limitations  of  PNP  transistors 
used  in  junction-isolated  I.C.'s. 

OTHER  COMPENSATION: 

While  most  integrated  circuit  amplifiers  use  one  of  the  three 
compensation  schemes  already  described,  a  significant  frac- 
tion use  some  other  plan.  The  725  type  amplifiers  combine 
a  V—  referred  integrator  with  a  network  which  the  manu- 
facturers recommend  to  be  connected  from  signal  ground 
to  the  integrator  input.  This  makes  the  circuit  extremely 
liable  to  pick  up  noise  between  V—  and  ground.  In  many 
circumstances  it  may  be  wiser  to  connect  the  external  com- 
pensation to  the  negative  supply,  rather  than  to  signal 
ground. 

One  more  class  of  amplifiers  is  typified  by  the  Analog  De- 
vices AD507  and  AD509.  In  these  circuits,  a  single  capaci- 
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tor  may  be  used  to  induce  a  dominant  pole  of  response 
without  resorting  to  an  integrator  connection.  The  high- 
frequency  response  of  the  amplifier  will  appear  with  respect 
to  the  "ground"  end  of  the  compensation  capacitor.  In 
these  amplifiers  a  small  internal  capacitance  is  connected 
between  V+  and  the  compensation  point.  Unity  gain  com- 
pensation can  be  added  in  parallel  and  the  pin-out  is  ar- 
ranged to  make  this  simple.  The  free  end  of  the  compensa- 
tion capacitor  can  also  be  connected  either  to  V—  or  signal 
common.  It  is  extremely  important  that  the  signal  common 
and  the  compensation  connect  directly  or  through  a  low- 
impedance  decoupling. 

Although  the  main  signal  path  of  these  amplifiers  can  be 
compensated  in  a  variety  of  ways,  some  care  is  required  to 
insure  the  stability  of  internal  structures.  It's  always  wise  to 
use  extra  care  in  decoupling  wideband  amplifiers  to  avoid 
problems  with  the  output  stage  and  other  subcircuits  which 
are  similar  to  the  main  integrator  problem  illustrated  by 
Figure  5.  An  effective  compensation  and  decoupling  circuit 
for  the  AD509  is  shown  in  Figure  8.  This  arrangement  is 
similar  to  Figure  7,  and  one  of  these  two  circuits  is  likely  to 
be  suitable  for  many  types  of  wideband  amplifier.  Depend- 
ing upon  the  power  distribution,  a  small  (10f2  to  5012) 
resistor  may  be  appropriate  in  both  of  the  supply  leads  to 
reduce  power  lead  resonance  and  interference  both  to  and 
from  circuits  sharing  the  power  supply. 

 Y*  

.  ; 
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Figure  8.  Decoupling  a  Wideband  Amplifier 
GROUNDING  ERRORS: 

Ground  in  most  electronic  equipment  is  not  an  actual  con- 
nection to  earth  ground,  but  a  common  connection  to 
which  signals  and  power  are  referred.  It  is  frequently  imma- 
terial to  the  function  of  the  equipment  whether  or  not  the 
point  actually  connects  to  earth  ground.  I  myself  prefer 
some  distinguishing  name  or  names  for  these  common 
points  to  emphasize  that  they  must  be  made  common.  The 
term  "ground"  too  often  seems  to  be  associated  with  a  sort 
of  cure-all  concept,  like  snake  oil,  money  or  motherhood.  If 
you're  one  of  those  who  regards  ground  with  the  same  sort 
of  irrational  reverence  that  you  hold  for  your  mother,  re- 
member that  while  you  can  always  trust  your  mother,  you 
should  never  trust  your  "ground."  Examine  and  think 
about  it. 

It's  important  to  have  a  look  at  the  currents  which  flow  in 
the  ground  circuit.  Allowing  these  currents  to  share  a  path 
with  a  low-level  signal  may  result  in  trouble.  Figure  9  illus- 
trates how  careless  grounding  can  degrade  the  performance 
of  a  simple  amplifier.  The  amplifier  drives  a  load  which  is 


represented  by  the  load  resistor.  The  load  current  comes 
from  the  power  supply  and  is  controlled  by  the  amplifier  as 
it  amplifies  the  input  signal.  This  current  must  return  to  the 
supply  by  some  path;  suppose  that  points  A  and  B  are 
alternative  power  supply  "ground"  connections.  Assuming 
that  the  figure  represents  the  proper  topology  or  ordering 
of  connections  along  the  "ground"  bus,  connecting  the  sup- 
ply at  A  will  cause  the  load  current  to  share  a  segment  of 
wire  with  the  input  signal  connection.  Fifteen  centimeters 
of  number  22  wire  in  this  path  will  present  about  8  mil- 
liohms  of  resistance  to  the  load  current.  With  a  2k  load,  a 
10-volt  output  signal  will  result  in  about  40  microvolts  be- 
tween the  points  marked  "AV."  This  signal  acts  in  series 
with  the  non-inverting  input  and  can  result  in  significant 
errors.  For  example,  the  typical  gain  of  an  AD510  amplifier 
is  8  million  so  that  only  of  input  signal  is  required 

to  produce  a  10  volt  output.  The  40/iV  ground  error  signal 
will  result  in  a  32  times  increase  in  the  circuit  gain  error! 
This  degradation  could  easily  be  the  most  serious  error  in  a 
high-gain  precision  application.  Moreover,  the  error  repre- 
sents positive  feedback  so  that  the  circuit  will  latch  up  or 
oscillate  for  large  closed-loop  gains  with  Rf/Rj  greater  than 
about  250k. 


OUTPUT  SIGNAL 


no  .' 


Figure  9.  Proper  Choice  of  Power  Connections  Minimizes 
Problems 

Reconnecting  the  power  supply  to  point  B  will  correct  the 
problem  by  eliminating  the  common  impedance  feedback 
connection.  In  a  real  system,  the  problem  may  be  more 
complex.  The  input  signal  source,  which  is  represented  as 
floating  in  Figure  9,  may  also  produce  a  current  which  must 
return  to  the  power  supply.  With  the  supply  at  point  B,  any 
current  which  flows  in  additional  loads  (other  than  R|)  may 
interfere  with  the  operation  of  the  amplifier  shown.  Figure 
10  illustrates  how  amplifiers  can  be  cascaded  and  still  drive 
auxiliary  loads  without  common  impedance  coupling.  The 


POWER  COMMON 


Figure  10.  Minimizing  Common  Impedance  Coupling 


output  currents  flow  through  the  auxiliary  loads  and  back 
to  the  power  supply  through  power  common.  The  currents 
in  the  input  and  feedback  resistors  are  supplied  from 
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its  solution,  I  will  now  get  back  on  my  soap  box  and  say 
that  grounding  errors  result  from  neglect  based  on  the  as- 
sumption that  a  ground,  is  a  ground,  is  a  ground.  Some 
impedance  will  be  present  in  any  interconnection  path,  and 
its  effect  should  be  considered  in  the  overall  design  of  a 
system.  Quantitative  approaches  are  quite  useful  in  special- 
ized applications.  In  fast  TTL  and  ECL  logic  circuitry  the 
characteristic  impedance  of  interconnections  is  controlled 
so  that  proper  terminations  can  reduce  problems.  In  RF 
circuitry  the  unavoidable  impedances  are  taken  into  ac- 
count and  incorporated  into  the  design  of  the  circuit.  With 
op-amp  circuitry,  however,  impedance  levels  do  not  lend 
themselves  to  transmission  line  theory,  and  the  power  and 
ground  impedances  are  difficult  to  control  or  analyze.  The 
most  expedient  procedure,  short  of  difficult  and  restrictive 
quantitative  analysis,  seems  to  be  to  arrange  the  unavoid- 
able impedances  so  as  to  minimize  their  effects  and  arrange 
the  circuitry  to  overcome  the  effects.  Figures  9  and  10 
illustrate  the  sort  of  simple  considerations  which  can  sub- 
stantially reduce  practical  ground  problems.  Figure  1 1  illus- 
trates how  circuitry  can  be  used  to  reduce  the  effect  of 
ground  problems  which  can't  be  corrected  by  topological 
tricks. 


COMMON  "GROUND  NOISE"  COMMON 

Figure  1 1.  Subtracter  Amplifier  Rejects  Common  Mode 
Noise 

GETTING  AROUND  THE  PROBLEM: 

In  Figure  1 1  a  subtractor  circuit  is  used  to  amplify  a  normal 
mode  input  signal  and  reject  a  ground  noise  signal  which  is 
common  to  both  sides  of  the  input  signal.  This  scheme  uses 
the  common-mode  rejection  of  the  amplifier  to  reduce  the 
noise  component  while  amplifying  the  desired  signal.  An 
important  aspect  of  this  arrangement,  which  is  often  over- 
looked, is  that  the  amplifier  should  be  powered  with  re- 
spect to  the  output  signal  common.  If  its  power  pins  are 
exposed  to  the  high-frequency  noise  of  the  input  common, 
the  compensation  capacitor  will  direct  the  noise  right  to  the 
output  and  defeat  the  purpose  of  the  subtractor.  It's  just 
this  kind  of  effect  which  makes  it  important  to  use  care  in 
grounding  and  decoupling.  A  subtractor  or  dynamic  bridge, 
like  Figure  1 1,  will  be  ineffective  in  correcting  a  grounding 
problem  if  the  amplifier  itself  is  carelessly  decoupled.  In 
general,  an  op-amp  should  be  decoupled  to  the  point  which 
is  the  reference  for  measuring  or  using  its  output  signal.  In 
"single-ended"  systems  it  should  also  be  decoupled  to  the 


work  (which  needn't  be  all  resistive)  joins  the  input  and 
output  signal  reference  points  and  provides  a  "clean"  ref- 
erence point  for  the  non-inverting  input  of  the  amplifier. 

A  problem  with  the  subtractor  is  that  it  uses  a  balanced 
bridge  to  reject  the  common  mode  signal  between  the  input 
and  output  reference  points.  The  arms  of  the  network  must 
be  carefully  balanced,  since  to  the  extent  they  don't  match, 
the  unwanted  signal  will  be  amplified.  Although  even  a 
poorly  matched  network  will  probably  eliminate  oscillation 
problems,  noise  rejection  will  suffer  in  direct  proportion  to 
any  mismatches.  An  easier  way  to  reject  large  "ground 
noise"  signals  is  to  use  a  true  instrumentation  amplifier. 

INSTRUMENTATION  AMPLIFIERS: 

A  true  instrumentation  amplifier  has  a  very  visible  "fourth 
terminal."  The  output  signal  is  developed  with  respect  to  a 
well  defined  reference  point  which  is  usually  a  "free"  ter- 
minal that  may  be  tied  to  the  output  signal  common.  The 
instrumentation  amplifier  also  differs  from  an  op  amp  in 
that  the  gain  is  fixed  and  well  defined,  but  there  is  no 
feedback  network  coupling  input  and  output  circuits.  Fig- 
ure 12  shows  how  an  instrumentation  amplifier  can  be  used 
to  translate  a  signal  from  one  "ground  reference"  to  an- 
other. The  normal  mode  input  signal  is  developed  with  re- 
spect to  one  reference  point  which  may  be  common  to  its 
generating  circuits.  The  signal  is  to  be  used  by  a  system 
which  has  an  interfering  signal  between  its  own  common 
and  the  signal  source.  The  instrumentation  amplifier  has  a 
high  impedance  differential  input  to  which  the  desired  sig- 
nal is  applied.  Its  high  common  mode  rejection  eliminates 
the  unwanted  signal  and  translates  the  desired  signal  to  the 
output  reference  point.  Unlike  the  dynamic  bridge  circuit, 
the  gain  and  common  mode  rejection  don't  depend  on  a 
network  connecting  the  input  and  output  circuits.  The  gain 
is  set,  in  Figure  12,  by  the  ratio  of  a  pair  of  resistors  which 
are  connected  inside  the  amplifier.  The  amplifier  has  a  very 
high  input  impedance,  so  that  gain  and  common  mode  re- 
jection are  not  greatly  affected  by  variations  or  unbalance 
in  source  impedance. 


SIGNAL 


Figure  12.  Applying  an  In-Amp 

Since  instrumentation  amplifiers  have  a  reference  or 
"ground"  terminal,  they  have  the  potential  to  be  free  of  the 
power  supply  sensitivities  of  op  amps.  In  practice,  however, 
most  instrumentation  amplifiers  have  internal  frequency 
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compensation  which  is  referred  to  the  power  supply.  In  the 
case  of  the  AD521,  the  compensation  integrator  is  referred 
to  the  negative  supply  terminal.  The  decoupling  of  this  ter- 
minal is  particularly  important,  and  it  should  be  decoupled 
with  respect  to  the  output  reference  terminal,  or  actually  to 
the  point  to  which  this  terminal  refers. 

THE  "OTHER" INPUT: 

Most  I.C.  op-amps  and  in-amps  include  offset  voltage 
nulling  terminals.  These  terminals  generally  have  a  small 
voltage  on  them  and  by  loading  the  terminals  with  a  poten- 
tiometer the  amplifier  offset  voltage  can  be  adjusted.  While 
their  impedance  level  is  much  lower  than  the  normal  input, 
the  null  terminals  can  act  as  another  differential  input  to 
the  amplifier.  Although  the  null  terminals  aren't  generally 
looked  at  as  inputs,  most  amplifiers  are  quite  sensitive  to 
signals  applied  here.  For  example,  in  741  family  amplifiers 
the  output  voltage  gain  from  the  null  terminals  is  greater 
than  the  gain  from  the  normal  input! 

An  illustration  of  the  type  of  problems  that  can  arise  with 
the  "other"  input  is  shown  in  Figure  13.  The  figure  is  an 
op-amp  circuit  with  some  of  the  offset  null  detail  shown. 


TO  POWER  SUPPLY 


Figure  13.   Details  of  Vos  Nulling  -  the  "Other"  Input 

As  it's  drawn,  the  Vgs  null  pot  wiper  connects  to  a  point 
along  a  V—  "clothesline"  which  carries  both  the  return  cur- 
rent from  the  amplifier  and  currents  from  other  circuits 
back  to  the  power  supply.  These  currents  will  develop  a 
small  voltage,  AV,  along  the  conductor  between  the  ampli- 
fier V—  terminal  and  the  null  pot  wiper.  If  the  null  pot  is 
set  on  center,  the  equal  halves  will  form  a  balanced  bridge 
with  the  resistors  inside  the  amplifier.  The  effect  of  the 
voltage  generated  along  the  wire  is  balanced  at  the  Vqs 
terminals  and  will  have  little  effect  on  the  amplifier  output. 
On  the  other  hand,  if  the  null  pot  is  unbalanced,  to  correct 
an  amplifier  offset,  the  bridge  will  no  longer  balance.  In  this 
case  voltages  developed  along  the  "clothesline"  will  result 
in  a  difference  voltage  at  the  Vqs  terminals.  For  instance, 


suppose  that  a  10k  null  pot  balances  out  the  op  amp  offset 
when  it  is  set  with  3k  and  7k  branches  as  shown  in  the 
figure.  In  a  741  the  internal  resistors  are  about  1k  so  that 
the  difference  signal  at  the  Vfjg  terminals  will  be  about  1/8 
AV.  The  gain  from  these  terminals  is  about  twice  the  gain 
from  the  normal  input,  so  that  the  disturbance  acts  as  if  it 
were  an  input  signal  of  about  1/4  AV.  Using  the  same  as- 
sumptions as  in  the  discussion  of  Figure  9.  the  current  Iq— 
will  result  in  a  10  microvolt  input  error  signal.  In  this  case, 
however,  the  error  will  appear  only  when  the  amplifier  load 
current  comes  from  the  negative  supply.  When  the  load  is 
driven  positive  the  error  will  disappear.  As  a  result,  the  Vqs 
input  signal  will  result  in  distortion  rather  than  a  simple 
gain  error! 

An  additional  problem  is  created  by  If,  a  current  returning 
to  the  power  supply  from  other  circuits.  The  current  from 
other  circuits  is  not  generally  related  to  the  op  amp  signal, 
and  the  voltage  developed  by  it  will  manifest  itself  as  noise. 
This  signal  at  the  null  terminals  can  easily  be  the  dominant 
noise  in  the  system.  A  few  milliamps  of  V—  current  through 
a  few  centimeters  of  wire  can  result  in  interference  which  is 
orders  of  magnitude  larger  than  the  inherent  input  noise  of 
the  amplifier.  The  remedy  is  to  make  the  connection  from 
the  null  pot  wiper  direct  to  the  V—  pin  of  the  amplifier,  as 
shown  in  Figure  14.  Some  amplifiers  such  as  the  AD504  and 
AD510  refer  to  the  null  offset  terminals  to  V+.  Obviously, 
the  pot  wiper  should  go  to  the  V+  terminal  of  this  type  of 
amplifier.  It's  important  to  connect  the  line  directly  to  the 
op  amp  terminal  so  as  to  minimize  the  common  impedance 
shared  by  the  op  amp  current  and  the  null  pot  connection. 


Figure  14. 
Operation 


Connecting  the  Null  Pot  for  Trouble  Free 


The  considerations  for  op-amp  null  pots  also  apply  to  the 
similar  trimmers  on  almost  all  types  of  integrated  circuits. 
For  example,  the  AD521  In-Amp  null  terminals  exhibit  a 
gain  of  about  30  to  the  output.  Although  this  is  much  less 
than  in  the  case  of  most  op-amps,  it  still  warrants  care  in 
controlling  the  null  pot  wiper  return.  Table  I  lists  the  inte- 
grated circuits  manufactured  by  Analog  Devices,  including 
some  popular  second-source  families,  and  indicates  how  in- 
ternal conversions  from  differential  to  single  ended  are  re- 
ferred. That  is,  the  signals  are  made  to  appear  with  respect 
to  the  terminal (s)  listed. 
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Internal  Integrator 
Referred  to: 


Comment 

Internal  Feedforward  Cap  V+  to  V- 
and  Integrator  V-  to  Output 


Output  and  Reference  Amplifier 
Output  Amplifiers 


AD  OP  07/  V+,V- 
27/37 

AD380  V+ 

AD390  V- 

AD394/AD395  V- 

A0396  V-                Output  Amplifiers 

AD507  External  Cap  to  Signal  Common  or  V+ 

AD508  -               External  Cap  to  Signal  Common  or  V+ 

AD610  V+ 

AD617  V+ 

AD518  V+,  V-         Internal  Feedforward  Cap  V+  to  V- 
and  Integrator  V-  to  Output 

AD521  V-                Output  Amplifier  Integrator 

AD524  V-               Output  Amplifier  Integrator 

AD526  V-                Output  Amplifier  Integrator 

AD532/AD533  V+                Multiplier  Output  Amplifier  Integrator 

AD534/AD535  V-                Output  Amplifier 

AD536A  V-,  V+          External  Integrator  to  V+,  Internal 
Common        Feedforward  V-  to  Common 

AD538  V-               Internal  Amplifiers 

AD542/AD642  V- 

AD544/AD644  V- 

V- 


AD688 
AD689 

AD704/AD705/ 
AD706 

AD707/AD708 

AD711/AD712/ 
AD713 


internal  Integrator 
Referred  to: 

V- 

V- 

v+ 


Comment 

Output  Amplifier 
Output  Amplifier 


Internal  Feedforward  Cap  V+  to  V- 
and  Integrator  V-,o  Output 


AD545A 
AD546 

AD547/AD647  V- 

AD548/AD648  V- 

AD649  V- 

AD557/AD558  Common 

AD561 


AD736/  V-. 

AD737  Common 

AD741  V- 

AD744/AD746  V- 

AD766  V- 

AD767  V-. 

Common 

AD840/AD841/  V+,V- 
AD842 

AD843  V+,  V- 

AD844/AD846  V+,  V- 

AD846  V+ 

AD847/AD848/  V+,  V- 
AD849 

AD1856/AD1860  V- 

AD1864  V- 

AD2700/AD2710  Common 

AD2701  V- 


External  Integrator  to  V- 
Internal  Feedforward  V-  to  Common 


Output  and  Reference  Amplifier 

Output  Amplifier  Referred  to  V-  and 
Reference  Amp  Referred  to  Common 


Output  Amplifier  and  DAC  Control 
Loop  Integrator  Referred  to  Common 


AD2702/  V-, 
AD2712  Common 

AD7224/AD7225  V- 


Output  and  Reference  Amplifier 
Output  and  Reference  Amplifier 
Output  Amplifier 
Output  Amplifier 
Output  Amplifiers 


AD7226/AD7228 
AD7237/ 


V- 

v+. 


Output  Amplifiers 
Output  Amplifiers 
Reference  Amplifier  to  Common 


Common 

Ref.  Amp  Referred  to  Common  and 
Ref.  Bias  Amplifier  Referred  to  V- 

AD7247 

Common 

Output  Amplifier  to  Both  V+ 
and  Common 

AD565A/ 
AD566A 

V- 

DAC  Control  Loop  Integrator  Referred 
to  V-j  Reference  Input  Common 
to  Control  Loop  Isolated  from  DAC 

AD7245/ 
AD7248 

v+. 

Common 

Reference  Amplifier  to  V-h 
Output  Amplifier  to  Both  V+ 
and  Common 

Output  Common 

AD7569/AD7669 

V- 

All  Amplifiers 

AD568 

V+ 

Reference  Amplifier 

AD7769 

Common 

All  Amplifiers 

AD580 

V- 

Output  Amplifier 

AD7770 

Common 

All  Amplifiers 

AD581 

V- 

Output  Amplifier 

AD7837/AD7847 

V+ 

All  Amplifiers 

AD582 

V- 

Output  Amplifier 

AD7840 

-  v+«  .* 

Output  Amplifiers  to  V+ 

AD584 

V- 

Output  Amplifier 

Common 

Reference  Amplifier  to  Common 

AD586/AD587 

V- 

Output  Amplifier 

AD7845 

V+ 

All  Amplifiers 

AD588 

^..1fc-a»oo  it- 

Output  Amplifier 

AD7846 

y*. 

All  Amplifiers 

AD624/AD625 
AD636 

V-,  v+, 

Output  Amplifier  Integrator 
External  Integrator  to  V+,  Internal 

AD7848 

Common 

Output  Amplifier  to  V+ 
Reference  Amplifier  to  Common 

Common 

Feedforward  V-  to  Common 

Table  1. 

AD637 

Internal  Feedforward  V-  to  Common 

Common 

AOM6  t:  . .-km^*Q  gohs 

AD650/AD652       V+  Internal  Amplifier 

AD662  Common       DAC  Control  Loop  Integrator  and 

Reference  Amplifier  Referred  to 


AD664 
AD667 


Common 
Output  Amplifiers 


V-.  Output  Amplifier  Referred  to  V- 

Common        and  Reference  Amplifier  Referred 
to  Common 


V+ 


Reference  Amplifier 


This  collection  of  examples  won't  solve  all  your  potential 
grounding  problems.  I  hope  that  it  will  give  you  some 
good  ideas  how  to  prevent  some  of  them,  and  it  should 
also  give  you  some  of  the  "inside  story"  on  I.C.'s  which 
you  can  put  to  work  in  very  practical  ways.  There  is  no 
general  grounding  method  which  will  prevent  all  possi- 
ble problems.  The  only  generally  applicable  rule  is  atten- 
tion to  detail,  and  remember  that  you  can  always  trust 
your  mother,  but ...  . 
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INTRODUCTION 

An  operational  amplifier's  output  always  contains  signals  that 
could  not  have  been  predicted  from  the  inputs  and  an  accu- 
rately-known closed-loop  transfer  function,  taking  into  ac- 
count all  impedance  loads,  known  or  unknown.  These  unwant- 
ed signals  are  called  noise.  Noise  can  be  introduced  into  a  cir- 
cuit by  the  amplifier  itself,  by  the  components  used  in  its 
feedback  loop,  and  by  the  power  supply;  or  it  can  be  coup- 
led or  induced  into  the  input,  the  output,  the  ground  return, 
or  the  measurement  circuit,  from  nearby  —  or  in  some  cases, 
quite  distant  —  sources. 

The  degree  of  the  designer's  interest  in  noise  depends,  of 
course,  on  (1)  the  desired  resolution  of  the  circuit  in  the  band 
of  interest,  and  (2)  the  avoidance  of  transmitting  noise  in  fre- 
quency bands  that  are  not  of  immediate  interest.  As  opera- 
tional amplifiers  are  used  more  extensively  as  preamplifiers 
and  high-accuracy  signal  processors,  resolution  in  operational 
amplifier  circuits  becomes  of  increasingly  broad  interest. 

Recognizing  the  folly  and  futility  of  attempting  to  deal  too 
comprehensively  or  rigorously  with  the  complete  range  of 
noise  phenomena,  the  present  essay  will  attempt  to  provide 
tools  for  practical  understanding,  characterization,  computa- 
tion, and  reduction  of  noise  in  the  immediate  environs  of 
the  amplifier.  Coupled  and  induced  noise  in  ground  leads,  out- 
put leads,  etc.,  will  be  dealt  with  somewhat  cavalierly  by  sug- 


■ 


■ 


gesting  simply  that  attention  be  paid  to  shielding,  lead  dress, 
and  ground  circuit  design  —  all  of  which  belong  in  the  realms  of 
system  design  and  "good  circuit  practice. 

From  the  standpoint  of  noise,  the  operational  amplifier  is 
uniquely  qualified  to  serve  in  low-level  and  high-accuracy  cir- 
cuitry because 

1.  The  amplifier  transfer  function  may  be  cho- 
sen to  pass  only  those  frequency  bands  of  inter- 

ni  on  3©ft*         ll  L'-.*hi)  agicJ  ^sv  a 

2.  The  specific  amplifier  chosen  for  the  job  may 
be  picked  from  among  a  wide  range  of  types 
having  differing  noise  characteristics,  in  order 
to  obtain  the  most  nearly  ideal  characteristics 
in  the  band  of  interest. 


3.  If  the  sources  of  noise  are  known  and  pro- 
perly evaluated,  the  noise  behavior  of  a  wide 
range  of  amplifier  circuits  can  usually  be  pre- 
dicted to  sufficient  accuracy  to  permit  a  parti- 
cular design  to  be  done  "on  paper",  with  good 
probability  of  successful  verification. 


Reprinted  from  Analog  Dialogue  3-1  1969 
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Ideal 
Noiseless 
Amplifier 


NOTE:  ln  may  include  a 
small  component  equal  to 
Cin-^1  .depending  on  manufac- 
turer's measurement  approach. 
See  Appendix  n. 


Figure  1.  Voltage  and  Current  Noise  Model 

A  differential  operational  amplifier  may  be  considered  to  be 
an  ideal,  noiseless  amplifier,  with  noise  current  sources 
between  each  input  terminal  and  common,  and  a  noise  voltage 
source  effectively  in  series  with  one  or  the  other  input  termin- 
al. This  model  is  quite  similar  to  the  EQS— I^ias  model  used 
for  offsets^,  which  should  not  be  surprising,  because  EQS  and 
I(,ias  can  be  considered  as  DC  noise  sources,  modulatable  by 
time,  temperature,  etc.  For  most  practical  purposes,  noise  vol- 
tage and  noise  current  sources  can  be  considered  to  be  indepen- 
dent of  one  another.  Ignoring  the  circuit  and  amplifier  dyna- 
mics, for  the  moment,  it  is  evident  that,  as  with  EQS  and  I^ias' 
the  instantaneous  voltage  component  of  noise  could  be  mea- 
sured (Fig.  2)  in  a  low-impedance  circuit  with  high  gain,  and 
the  instantaneous  current  component  could  be  measured  with 
a  very  large  (ideally  "noiseless")  resistor.  If  there  were  no  in- 
teraction between  en  and  in,  the  output  in  the  noise  voltage 
measurement  would  be  proportional  to  (1  +  R2/R1),  and  the 
output  in  the  noise  current  measurement  would  be  propor- 
tional to  R2  alone. 


and  that  the  relativ 


(2) 


qual 


that  is,  if  the  parallel  combination  of  R2  and  Rj  is  equal  to 
the  ratio  of  en  to  i„.  At  impedance  levels  above  en/in,  current 
noise  is  dominant.  The  ratio  of  the  RMS  values  of  en  and  in  is 
sometimes  known  as  the  "characteristic  noise  resistance"  of 
the  amplifier,  in  a  given  bandwidth,  and  it  is  a  useful  figure  of 
merit  for  choosing  an  amplifier  to  match  a  given  impedance 
level,  or  vice  versa. 

Noise  coupled  from  external  sources  to  the  amplifier  inputs 
can  be  considered  as  an  additive  voltage  signal  if  the  voltages 
and  impedances  are  known,  or  as  an  additive  current  signal  if 
its  presence  is  determined  by  measurement  at  the  amplifier 
site.  This  is  shown  compactly  in  Figure  3. 


e,  :  Arrow  indicates 
RMS  addition  is 


required 

e0=  -e,  — +  e,  — +  i*R2+  i„R2+  e„^l+  —  +  —  J 


Figure  3.  Contributions  of  Internal  and  External  Noise  Sources 


L+  1 
'n+-K 

■  I 


figure  2.  Rudimentary  Measurement  of  en  and  in 
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(Filters  are  used  for  narrow-band  and  spot  noise  measurements) 


NOISE  GAIN  AND  SIGNAL  GAIN 

Figure  4  shows  the  basic  feedback  model  of  an  inverting  amp- 
lifier with  a  number  of  resistive  inputs.  For  large  values  of 
loop  gain  (A/J),  the  noise  gain  for  voltage  noise  is  essentially 
1/(3.  If  A(3  is  not  much  greater  than  unity,  one  should  use  the 
more  exact  expression 


(3) 


1 


1  + 


The  comparable  current  noise  expression  is 

1 

(4)  *o=\J.,  1 

It  should  be  noted  that,  for  passive  feedback  elements,  l/j3  is 
never  less  than  unity,  and  it  also  is  larger  than  the  closed-loop 
gain  for  any  of  the  input  signals.  Therefore  the  total  spectrum 
of  en  will  appear  at  the  output,  with  at  least  unity  gain,  despite 
less-than-unity  signal  gains,  or  narrow  signal  bandwidths.  It 
should  also  be  noted  that,  in  the  general  case  where  A  and  j3  are 
both  dynamic  expressions,  if  the  loop  gain  has  substantially 
more  than  90  phase  shift,  and  the  amplifier  is  in  consequence 
lightly-damped  in  the  vicinity  of  the  frequency  at  which 
A/3  =  1,  the  noise  gain  at  that  frequency  may  peak  at  substan- 
tially greater  than  unity,  even  if  the  signal  gain  rolls  off 
smoothly  at  a  very  much  lower  frequency.  See  Fig.  5  for  a  fla- 
grant, easy-to-understand  example. 


COMBINING  NOISE  SIGNALS 

This  topic  will  be  dealt  with  in  some  depth  shortly.  However, 
it  is  desirable  to  bear  in  mind  the  basic  notion  that  RMS  values 
of  signal  or  noise  voltage  or  current  from  essentially  uncor- 
rected sources  (for  example,  noise  from  different  sources,  or 
noise  from  different  portions  of  the  frequency  spectrum  of  a 
given  source)  are  combined  by  computing  the  square  root  of 
the  sum  of  the  squares.  It  should  be  evident  that  larger  quan- 
tities will  be  emphasized  and  smaller  quantities  suppressed.  For 
example,  if  X  =  3Y  the  error  incurred  by  simply  ignoring  Y  is 
only  about  5%.  {A2  +  32  =  Vl0~^  3.16  =  3.0  x  1.05). 


TO  THE  READER:  The  sections  that  follow  are  nec- 
essary in  order  to  construct  a  coherent  approach  to  a 
technique  for  predicting  the  "total  RMS  noise"  of  an 
operational  amplifier  circuit  quickly  and  easily.  The 
material  is  not  the  easiest  of  reading,  and  it  covers  a 
wide  range  of  topics,  the  exact  place  of  which  in  the 
final  scheme  may  be  somewhat  difficult  to  second- 
guess.  Nevertheless,  it  is  a  necessary  part  of  the  back- 
ground, and,  if  read  with  patient  attention,  may  prove 
interesting  and  informative.  If  you  would  like  to  get 
an  idea  of  the  resulting  technique,  look  ahead  to 
page  10. 
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R2  C=  I,  6  sec 
fc  =  O.I  Hz 


log  A  /AMPLIFIER 

g  /open-loop 

GAIN 


6  dB/OCTAVE 
12  dB/OCTAVE 


.log  f 

£-12  dB/OCTAVE 


.  IS  dB/OCTAVE 


Figure  5.  Noise  Bandwidth  vs.  Signal  Bandwidth 
HOW  NOISE  IS  CHARACTERIZED 

Periodically-recurring  noise  may  be  described  in  terms  of  re- 
petition rate,  waveform,  and  magnitude  (e.g.,  chopper  noise.) 
Irregularly-recurring  noise  may  be  described  in  terms  of  its 
waveshape  and  magnitude  only,  since  the  repetition  is  not  reg- 
ular (to  some  extent,  popcorn  noise).  Aperiodic  noise  not 
having  a  recurring  waveshape  (and  this  includes  all  the  types  of 
random  noise  to  be  described  below)  is  usually  dealt  with  in 
terms  of  some  of  its  statistical  properties:  RMS  value,  peak 
value,  and  frequency  content. 

RMS  Value.  It  is  a  characteristic  of  most  kinds  of  random 
noise  that  if  the  averaging  interval  is  made  sufficiently  long, 
the  RMS  value  obtained  is  substantially  repeatable.  Therefore, 
RMS  value  in  the  bandwidth  of  interest,  averaged  over  a  suf- 
ficiently long  interval,  is  a  useful  and  meaningful  way  of  char- 
acterizing such  random  noise.  It  is  by  far  the  most  convenient 
for  correlating  noise  numbers  between  vendors  and  users.  The 
definition  of  RMS  value  of  voltage  is  given  by 


(5) 

where 


Em,, 


e'dt 


Erms  =  RMS  voltage  value 

T      =  Interval  of  observation 

e       =  Instantaneous  noise  voltage 

Substituting  the  instantaneous  value  of  current,  i,  gives  Irms, 
the  RMS  current  value.  When  performing  RMS  measurement, 
either  a  "true  RMS"  meter  must  be  used,  or  the  reading  of  an 
AC  average  (sine  wave  "RMS"-calibrated  meter)  should  be 
multiplied  by  a  factor  of  1.13. 


Peak  Values.  Noise  may  also  be  characterized  in  terms  of  the 
difference  between  the  largest  positive  and  negative  peak  ex- 
cursions observed  during  an  arbitrary  interval.  For  some  appli- 
cations, in  which  peak-to-peak  noise  may  limit  system  perfor- 
mance, peak-to-peak  measurement  may  be  essential.  Neverthe- 
less, because  noise  is  for  all  practical  purposes  Gaussian  in  amp- 
litude distribution,  and  hence  the  highest  noise  amplitudes 
have  the  smallest  (yet  non-zero)  probability,  peak-to-peak 
noise  is  difficult  to  measure  repeatably.  Because  RMS  values 
are  so  easy  to  measure  repeatably,  and  are  the  most  usual  form 
for  presenting  noise  data  non-controversially,  the  table  below 
should  be  useful  for  estimating  the  probabilities  of  exceeding 
various  peak  values,  given  the  RMS  values. 


Percentage  of  time  that  noise 

Nominal  "peak-to-peak" 

will  exceed  nominal  "peak-to 

peak"  value 

2.0  x  RMS 

32% 

3.0  x  RMS 

13% 

4.0  x  RMS 

4.6% 

5.0  x  RMS 

1.2% 

6.0  x  RMS 

0.27% 

6.6  x  RMS 

0.10% 

7.0  x  RMS 

0.046% 

8.0  x  RMS 

0.006% 

Peak-to-peak  vs. 

RMS  (Gaussian  distribution) 

The  casually- observed  peak-to-peak  noise  varies  between  3  x 
RMS  and  8  x  RMS,  depending  on  the  patience  of,  and  amount 
of  data  presented  to,  the  observer.  Oscilloscope  traces  should 
be  observed  at  high  intensity,  because  considerable  averaging 
occurs  at  low  intensity,  which  will  produce  apparent  results 
closer  to  the  RMS  value.  Peak  amplitude  distribution  analyzers 
are  becoming  available,  for  automating  these  measurements. 

INTERFERENCE  NOISE  VS.  INHERENT  NOISE 

There  are  two  basic  classifications  of  noise  for  a  given  circuit; 
they  are  interference  noise,  which  is  noise  picked  up  from  out- 
side the  circuit,  and  inherent  noise,  which  is  noise  arising 
within  the  circuit  itself. 

Interference  noise  may  be  periodic,  irregularly  recurring,  or 
essentially  random,  and  it  ordinarily  may  be  reduced  substan- 
tially (or  forestalled)  by  taking  precautions  to  minimize  elec- 
trostatic and  electromagnetic  pickup  from  power  sources  at 
line  frequencies  and  their  harmonics,  radio  broadcast  stations, 
arcing  of  mechanical  switches,  and  current  or  voltage  spikes  re- 
sulting from  switching  in  reactive  circuits.  Such  precautions 
may  include  filtering,  decoupling,  electrostatic  and  electromag- 
netic shielding  of  leads  and  components,  use  of  guarding  po- 
tentials, elimination  of  ground  loops,  physical  reorientation  of 
leads  and  components,  use  of  damping  diodes  across  relay 
coils,  choice  of  low  circuit  impedances  where  possible,  and 
choice  of  power  and  reference  supplies  having  low  noise.  Inter- 
ference noise  resulting  from  vibration  may  be  reduced  by  pro- 
per mechanical  design.  A  table  outlining  some  of  the  sources 
of  interference  noise,  their  typical  magnitudes,  and  ways  of 
dealing  with  them  is  shown  in  Figure  6. 
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External  Source 

Typical  Magnitude 

Typical  Cure 

60Hz  power 

lOOpA 

Shielding,  attention  to 
ground  loops,  isolated 
power  supply 

120  Hz  supply  ripple  3/iV 

Supply  filtering 

180Hz  magnetic  pick- 
up from  saturated  0.5^V 
60Hz  transformers 

Reorientation  of  com- 
ponents 

Radio  broadcast 
stations 

lmV 

Shielding 

Switch-arcing 

lmV 

Filtering  of  5  to  100MHz 
components,  attention 
to  ground  loops  and 
shielding 

Vibration 

lOpA 
(10  to  100Hz) 

Proper  attention  to 
mechanical  coupling; 
elimination  of  leads 
carrying  large  voltages 
near  input  terminals 
(Note:   d(Gv)      dv  dC 

,=  -dT  =  CdT+vd, 

Use  low  noise  (carbon- 
coated  dielectric?)  cable 

Cable  vibration 

lOOpA 

Circuit  boards 

0.01  to  10 
pA/  \/cps  below 
10Hz 

Clean  boards  thoroughly, 
use  teflon  insulation 
where  needed,  and 
guard  well 

The  Johnson  noise  voltage  within  a  bandwidth  B  gener- 
ated by  thermal  agitation  in  a  resistance  is  given  by 


Figure  6.  Typical  Sources  of  Interference  Noise 

But  even  if  all  interference  noise  is  removed,  inherent  noise  will  still 
be  present.  Inherent  noise  is  usually  random  in  nature,  most  often 
arising  in  resistances  and  semiconductor  elements,  such  as  transistors 
and  diodes.  (An  example  of  a  non-random  inherent  noise  compo- 
nent is  chopper  noise  in  chopper-stabilized  amplifiers.)  Random 
noise  arising  within  resistances  is  known  as  Johnson  noise,  (or  ther- 
mal noise).  Random  noise  arising  within  semiconductor  elements 
may  be  one  of  the  following  three  types:  Schottky  (or  shot)  noise, 
flicker  noise  ( 1/f  noise),  and  popcorn  noise. 

COMMON  FORMS  OF  RANDOM  NOISE 

Johnson  noise.  Thermal  agitation  of  electrons  in  the  resistive  portions 
of  impedances  results  in  the  random  movement  of  charge  through 
those  resistances,  causing  a  voltage  to  appear  corresponding  to  the 
instantaneous  rate  of  change  of  charge  (i.e.,  current)  multiplied  by 
the  appropriate  resistance.  Ideally-pure  reactances  are  free  from 
Johnson  noise. 


(6) 


E™.  =  V4kTRB 


where 


k  =  Boltzmann's  constant  =  1.374  x  10-23 

Joules/"  Kelvin 
T  =  Absolute  temperature  (degrees  Kelvin) 
R  =  Resistance  (ohms) 
B  =  Bandwidth  (cycles  per  second) 

At  room  temperature,  with  more  convenient  units,  this 
expression  becomes 

(7)  E„=  0.13  VrxB^VRxBi 

where 

R  =  Resistance  (megohms) 

B  =  Bandwidth  (cycles  per  second) 

Johnson  noise  is  quite  often  expressed  as  an  equivalent 
current 

E  /b     1  /b 

(8)  I»  =      =  0.13  yj-  m  -  yj-  picoamperes 

Ordinarily,  Johnson  noise  is  a  less  important  source  of 
noise  within  the  amplifier  than  the  noise  produced  with- 
in semiconductors;  however  it  is  the  primary  source  of 
noise  contributed  by  the  signal  source  and  the  feedback 
circuitry,  where  resistance  values  are  apt  to  be  higher.  In 
some  situations,  the  Johnson  noises  of  the  components 
in  the  external  circuit  are  completely  dominant.  For  ex-  ' 
ample,  if  the  source  resistance  in  a  particular  application 
is  to  be  10  megohms,  there  is  little  point  to  selecting  an 
amplifier  with  low  voltage  noise,  since  the  Johnson  noise 
from  the  10  megohm  resistor  will  be  the  chief  source  of 
noise  at  the  output,  unless  the  amplifier's  input  current 
noise  is  high.  In  this  example,  the  resistor  noise  in  a  lkcps 
bandwidth  would  be  13  microvolts  RMS,  corresponding 
to  current  noise  of  1.3  picoamperes. 

Schottky  noise.  Shot  noise  arises  whenever  current  is 
passed  through  a  transistor  junction.  The  noise  is  nor- 
mally expressed  as  a  current,  which  will,  of  course  pro- 


Figure  7.  Typical  "Popcorn" Noise 
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duce  voltage  drops  in  impedance,  such  as  transistor  emit- 
ter  resistance.    A   convenient   equation  for  shot  noise  is 


(9) 

where 


I.  =  5.7  X  10-*  VlB  picoamperes 


junction  current  in  picoamperes 
=  bandwidth  of  interest  in  cps 


In  a  typical  operational  amplifier  circuit  using  bipolar  input 
transistors,  the  input  transistor  base  current,  flowing  through 
the  base-emitter  junction,  produces  a  Schottky  noise  compo- 
nent, which  is  a  part  of  the  amplifier's  equivalent  noise  current 
source.  Other  P-N-junction-generated  noise  currents  (internal 
to  the  operational  amplifier),  when  divided  by  appropriate 
transconductances,  will  create  an  equivalent  noise  voltage  at 
the  input. 

flicker  noise  (llf  noise.)  In  the  frequency  range  below  100Hz, 
most  amplifiers  exhibit  another  noise  component  that  domi- 
nates over  Johnson  and  Schottky  components  and  becomes 
the  chief  source  of  error  at  these  frequencies.  Flicker  noise  is 
thought  to  be  a  result  of  imperfect  surface  conditions  on 
transistors.  Carbon  composition  resistors,  if  they  carry  much 
current,  may  contribute  noise  similar  to  flicker  noise  of  tran- 
sistors. (It  is  good  engineering  practice  to  use  metal  film  or 
wirewound  resistors  wherever  significant  currents  flow  through 
the  resistor  and  low  noise  at  low  frequencies  is  a  definite  re- 
quirement). 

Flicker  noise  does  not  have  an  equal  contribution  at  each 
frequency.  The  spectral  noise  density  (to  be  defined  below)  of 
this  type  of  noise  typically  exhibits  a  — 3dB  per  octave  slope. 

Popcorn  noise.  Some  transistors,  especially  those  of  integrated 
circuit  monolithic  construction  (from  some  manufacturers), 
jitter  erratically  between  two  values  of  hfe  causing  additional 
base  current  noise  of  the  form  shown  in  Fig.  7.  The  premium 
paid  for  most  high-performance  amplifier  types  includes  tests 
to  weed  out  units  having  transistors  or  IC's  that  exhibit  this 
effect. 


FREQUENCY -Hi 


Figure  8.  Noise  Spectral  Density.  Analog  Devices  Model  144 
(Economical  FET  Amplifier) 


IN  THE  NEXT  ISSUE 

Settling  Time.  Based  in  part  on  a  paper  presented  at 
NEREM  1968,  this  article  will  discuss  the  components  of 
delay  and  error  that  contribute  to  the  speed  limitations 
of  high-precision  operational  amplifier  circuits,  and  then- 
significance  to  the  designer  and  tester  of  practical  circuits. 
It  will  include  a  discussion  of  "glitch"  phenomena  in  Dig- 
ital-to-Analog  Converter  circuits.  It  will  also  present 
some  surprising  conclusions  about  the  effects  on  settling 
time  of  deviation  from  6  dB/octave  slope  in  the  open 
loop  response  of  operational  amplifiers  employed  in  pre- 
cision buffer  circuits. 


NOISE  DENSITY  SPECTRUM 

Noise  exists  in  all  parts  of  the  frequency  spectrum,  and  the 
noise  contribution  of  a  resistor  or  amplifier  varies  with  the 
range  of  frequency  over  which  the  observation  is  made.  Pro- 
bably the  most  useful  manner  of  describing  a  noise  character- 
istic is  a  spectral  noise  density  plot,  in  which  noise  is  shown  as  a 
function  of  frequency,  usually  on  log-log  axes. 

Spectral  noise  density,  en,  at  a  given  frequency  f,  is  defined  as 
the  square  root  of  the  rate  of  change  of  mean-square  voltage 
with  frequency.  Conversely,  the  RMS  value  in  a  given  band  is 
the  square  root  of  the  definite  integral  of  the  square  of  spec- 
tral noise  density  over  a  given  band  of  frequencies. 


(10) 


Inasmuch  as  average  power  is  proportional  to  E^,  a  simpler 
way  of  expressing  this  concept  is:  en^is  proportional  to  the 
variation  of  noise  power  per  cycle  per  second.  Thus,  en  is  ex- 
pressed as  the  noise  voltage  per  (square)  root-cycle  (per 
second. 

From  equation  (11),  we  see  that  a  lower  and  an  upper  fre- 
quency limit,  fj  and  {2,  are  required,  as  well  as  a  knowledge  of 
the  manner  in  which  en  varies  with  frequency,  in  order  to 
evaluate  the  integral  and  calculate  the  actual  RMS  noise  vol- 
tage. A  typical  spectral  density  plot  (both  e„  and  i,,)  for 
Analog  Devices  types  144  is  shown  in  Figure  8. 

COMMON  DENSITY 
SPECTRUM  CONFIGURATIONS 

White  noise.  In  a  white  noise  spectrum,  en  is  constant  as  a 
function  of  frequency.  Thus,  the  RMS  noise  value  as  measured 
in  a  given  bandwidth  via  an  ideal  sharp-cutoff  filter  would  be 


(12) 
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Because  f2  -  fj  defines  a  bandwidth  (cf.  B  in  equations  6,7,8 
9),  it  is  evident  that  both  Johnson  noise  and  Schottky  noise 
are  white  noise,  and  that  en,  for  Johnson  noise,  is  0.13VR 
microvolts  per  root  cycle,  or  O-Oxv^l/R  picoamperes  per  root 
cycle  (R  given  in  megohms),  and  Schottky  noise  is  5.7  x 
10~^Vr  picoamperes  per  root  cycle  (I  also  in  picoamperes). 

If  fj  is  less  than  10%  of  a  simple  expression  for  all  the 
white  noise  from  {2  down  to  "DC",  with  less  than  5%  error,  is 

(13)  E„=e„Vf; 

Pink  noise.  A  generic  term  applied  to  ideal  1/f  noise,  for 
which  en  is  exactly  proportional  to  <v/l/f,  is  pink  noise.  This 
may  be  expressed 


(14) 


K  is  the  value  of  en  at  f  =  1  Hertz 

The  RMS  noise  in  the  band  between  {2  and  fj  may  be  com- 
puted by  substituting  equation  (14)  in  equation  (11) 

On  a  log-log  plot  of  en  vs.  frequency,  the  slope  will  be  — 3dB 
per  octave  (en^  vs.  frequency  would  have  a  — 6dB  per  octave 
slope).  Because  the  RMS  value  of  pink  noise  depends  on  the 
ratio  of  the  frequencies  defining  the  band  of  interest,  every 
octave  or  decade  of  pink  noise  will  have  the  same  RMS  noise 
content  as  every  other  octave  or  decade. 

It  is  instructive  to  compute  the  RMS  pink  noise  in  the  nine- 
decade  realm  below  1  Hz  (10"9  Hz  =  1  cycle  per  30  years). 
If  the  RMS  value  of  pink  noise  in  the  decade  from  0.1  to  1  Hz 
is  1  microvolt,  then  the  total  RMS  noise  over  all  nine  decades 
is  «/9  x  12  =  3mV. 

This  tells  us  that,  as  the  lower  frequency  f^,  goes  to  extremely 
small  values  ("DC"),  RMS  pink  noise  (and  thus  ideal  flicker 
noise)  will  have  less  significance  than  drift  caused  by  environ- 
mental factors,  component  aging,  or  perhaps  even  component 
life. 

Spot  noise.  If  we  divide  the  spectrum  of  frequency  into  suf- 
ficiently narrow  "spots"  or  intervals,  Afj,  Af2,  Afj,  etc.,  so 
that  we  may  consider  en  (or  its  "average"  value)  essentially 
constant,  then  an  incremental  approximation  may  be  used  to 
evaluate  the  RMS  noise,  En,  using  equation  (11).  The  RMS 
noise  in  the  total  interval  to  be  computed  is  simply  the  root- 
sum-of-the-squares  of  the  noise  in  the  incremental  intervals 

(16)  E„=  V/e^Af1+e„,2Af2  +  --- 

If  the  intervals  are  all  equal  =  Af,  equation  (16)  becomes 

(17)  E„  =  VAf  Ven?+en?  +  --- 


Filter  skirt  errors.  Our  discussion  of  frequency  content  has  so 
far  assumed  that  it  is  possible  to  combine  noise  source  con- 
tributions, band  by  band,  with  perfect  sharp-cutoff  filters. 
In  actual  circuits,  however,  a  quite  common  filter  response  is 
that  of  a  single  time  constant  (  either  lead  or  lag).  Such  a  filter 
will  have  significant  response  in  the  band  beyond  its  nominal 
cutoff  frequency.  For  example,  equation  (13)  for  RMS  white 
noise  in  the  whole  band  below  {2  must  be  multiplied  by  1.26 
to  account  for  the  white  noise  passed  at  frequencies  higher 
than  f2  by  a  first-order  lag  filter,  having  cutoff  frequency  f2- 
In  effect,  the  "noise  bandwidth"  is  ^2^^  and,  ignoring  the 
noise  passed  in  frequencies  under  the  filter  skirt  (i.e.,  beyond 
the  cutoff  frequency)  will  result  in  a  26%  error.  However,  it 
should  be  noted  that  errors  due  to  ignoring  the  skirts  of 
higher-order  filters  are  considerably  less.  The  RMS  contribu- 
tion of  the  6dB  per  octave  skirt  alone  is  0.76enVt7- 

1  

NOTE  TO  THE  READER:  Thank  you  for  your  pa- 
tience. You  have  now  arrived  at  the  point  of  this  nec- 
essarily lengthy  discussion:  a  graphical  technique  for 
easily  predicting  the  noise  spectrum  and  the  total 
noise  of  an  operational  amplifier  circuit,  using  the 
spectral  density  plots  for  voltage  and  current  noise, 
the  closed-loop  gain  and  impedance  level  of  the  feed- 
back amplifier  circuit,  and  certain  approximations 
made  understandable  by  the  background  material. 


BRIEF  REVIEW  OF  RELEVANT  POINTS 

1.  Pink  noise  contributes  equal  increments  of  RMS 
noise  over  each  octave  or  each  decade  of  the  spectrum. 
Each  increment  will  be  1.52K  per  decade,  or  0.83K 
per  octave,  where  K  =  en  or  in  at  1  Hz. 

2.  Bandwidth  for  white  noise  is  substantially  equal  to 
the  higher  frequency,  if  one  is  considering  bandwidths 
greater  than  1  decade. 

3.  Because  of  root-sum-of-the-squares  addition,  the 
greater  of  the  RMS  values  of  two  uncorrelated  noise 
signals  will  be  substantially  equal  to  theirlsum,  if  the 
greater  is  at  least  3x  the  lesser  (i.e.,  if  20  log-of-their- 
ratio  is  greater  than  lOdB). 

4.  Noise  in  different  portions  of  a  random  spectrum 
typical  of  amplifier  circuits  is  uncorrelated,  and  can 
hence  be  added  by  root-sum-of-the-squares. 




OPERATIONAL  AMPLIFIERS  13-31 


THE  "PINK  NOISE  TANGENT"  PRINCIPLE 


The  RMS  total  of  these  noises  is 


Consider  Fig.  9,  which  show?  an  arbitrary  plot  of  output 
noise  spectrum  on  a  log  voltage  vs.  log  frequency  scale.  It  is 
a  purely  arbitrary  choice,  chosen  simply  as  an  example.  Con- 
sider that  it  might  have  been  arrived  at  by  simple  addition  on 
a  log  scale  (in  effect  obtaining  the  product)  of  en  and  an  amp- 
lifier's closed  loop  gain  (i.e.,  true  noise  gain). 

First,  let  us  compute  the  noise  in  each  portion  of  the  spec- 
trum, using  point  (4) 


Region 

RMS  Noise 

Why 

1 

22flV 

Pink  noise,  2  decades,  V2xl .52x10 

2 

100/liV 

White  noise,  2  decades,  1  Ox's/1 00 

3 

152^V 

Pink  noise,  1  decade,  1.52xV100 

4 

72pV 

6dB/octave  skirt,  0.76x3xV1000 

5 

42/nV 

White  noise,  0.3xV20,000 

6 

40nV 

6dB/octave  skirt,  0.76x0.3^30,000 

The  RMS  total  of  these  noises  is 

Vl522  +  1002  +  722  +  422  +  402  +  222  =  205  microvolts 

Just  as  a  matter  of  interest,  it  is  worth  noting  that  the  root- 
square  sum  of  those  portions  nearest  to  the  point  of  tangency 
of  the  K  =  100  pink  noise  characteristic  is 


Vl522  +  1002  +  722  =  196  microvolts 

Before  making  our  point,  let  us  look  at  the  example  of  Fig.  10, 
which 
follov 


which  shows  another  response.  The  noise  bookkeeping  is 


Region  RMS  Noise 


Why 


8mV  Pink  noise,  3  decades,  K=3.16VJx3.16  x  1.52 
126MV     White  noise  and  skirt  (6dB/octave) 

1.26  x  1.0  x  ViW  

45A1V      White  noise,  0.1  x  ^200,000   

42juV       6dB/octave  skirt,  0.76  x  0.1V300.000 


Vl262  +  452  +  422  +  82  =  140  microvolts 

Note  that  there  is  less  than  10%  error  by  assuming  that  all  the 
noise  is  in  Region  2,  and  negligible  error  in  omitting  Region  1 
entirely.  Furthermore,  if  one  makes  the  purely  arbitrary  as- 
sumption that  all  the  noise  present  can  be  approximated  by  one 
decade  of  pink  noise  in  the  region  of  tangency  (10kHz),  it 
would  amount  to  1.52  x  100  =  152  microvolts,  which  is  less 
than  10%  error  in  the  conservative  direction. 

The  point  is  this:  If  a  characteristic  — 3dB  per  octave  pink 
noise  slope  is  lowered  until  it  is  tangent  to  the  noise  output 
characteristic  of  the  amplifier,  the  only  significant  contribu- 
tion to  total  noise  output  will  come  from  those  portions  of  the 
amplifier  noise  characteristic  in  the  immediate  vicinity  of  that 
pink  noise  slope.  Any  portions  of  the  amplifier  noise  charac- 
teristic that  are  substantially  (i.e.,  typically  more  than  lOdB) 
below  the  pink  noise  slope  will  contribute  insignificantly.  The 
explanation  for  this  is  that  the  pink  noise  slope  is  the  locus  of 
equal  per-octave  (or  per  decade)  contributions  to  total  noise. 
In  the  region  of  tangency,  it  will  be  seen,  lies  the  maximum 
noise  contribution  of  the  amplifier  circuit.  The  noise  contri- 
butions in  any  other  comparable  interval  must  be  less,  and  in 
intervals  more  than  typically  lOdB  below  the  — 3dB  per  oc- 
tave slope,  they  will  be  insignificant. 

A  TYPICAL  EXAMPLE 

Consider  the  circuit  of  Fig.  11.  It  is  a  summing  amplifier  with 
gains  of  10  and  100,  using  a  1  megohm  feedback  resistor,  par- 
alleled by  160pF.  The  amplifier's  open  loop  DC  gain  is  lOOdB, 
and  ft  is  1MHz. 

COMPUTE  NOISE  GAIN 

Figure  11  shows  the  amplifier's  assumed  open  loop  gain-fre- 
quency plot,  and  the  attenuation  of  the  feedback  network 
("noise  gain").  The  loop  gain  (A0)  is  the  difference  between 
the  two  curves.  The  attenuation  of  the  feedback  network  can 
be  shown  to  be  a  constant  attenuation  of  xlll  up  to  1kHz, 
and   a   6dB/octave   rolloff  down   to   unity    (i.e.,    0  dB). 


Figure  9. 


Figure  10. 
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First,  the  usual  stability  analysis  is  performed.  In  this  case, 
it  is  pretty  simple:  The  loop  gain,  A/3,  passes  through  a  magni- 
tude of  unity  with  about  90°  phase  shift  (90°  from  the  amp- 
lifier, none  from  the  feedback  network)  which  implies  not 
only  stability,  but  absence  of  peaking  as  well.  Thus  the 
noise  gain,  after  dropping  to  unity  at  about  100kHz,  will  re- 
sume its  rolloff  at  about  1  MHz. 

IDENTIFY  AND  COMPUTE 
CONTRIBUTIONS  OF  NOISE  SOURCES 

The  sources  of  noise  are:  Amplifier  en  and  in,  and  Johnson 
noise  in  the  three  resistors.  Figure  12  shows  (to  begin  with) 
a  plot  of  L  and  en  on  a  log-log  scale.  (Dashed  and  lower  solid). 
We  now  plot  the  effective  output  noise  contribution  of  all 
noise  sources,  in  order  to  establish  those  that  are  most  signi- 
ficant, the  frequency  bands  in  which  they  will  appear,  and  to 
compute  the  total  RMS  "inherent"  noise  of  the  circuit, 
according  to  the  method  just  described. 

Amplifier  voltage  noise  At  the  output,  the  noise  spec- 

trum will  consist  of  en,  multiplied  by  the  noise  gain.  Inasmuch 
as  en  and  noise  gain  are  both  plotted  on  compatible  log-log 
scales,  we  have  simply  to  add  the  two  spectra.  (Upper  solid  line). 

Amplifier  current  noise  (i„).  At  the  output,  the  noise  spectrum 
will  consist  of  in,  multiplied  by  the  feedback  impedance  (1 
megohm  to  1  kHz,  with  a  6dB  per  octave  rolloff  thereafter.) 
This  will  consist  simply  of  a  curve  paralleling  the  current  curve 
at  low  frequencies,  of  magnitude  inRf,  and  departing  from  it 
at  a  6dB  per  octave  rate  below  the  break  frequency.  (Coarse 
dotted  line) 

Resistor  noise.  It  is  illustrative  to  show  the  contribution  of 
each  resistor  separately  (since  their  noises,  being  uncorrelated, 
will  be  combined  in  RMS  fashion).  In  the  present  example,  it 
will  be  found  convenient  to  treat  each  resistor  as  a  noise 
current  source.  The  current  noise  from  each  of  the  three  re- 
sistors will  be  multiplied  by  the  feedback  impedance,  in  the 
same  way  as  the  amplifier's  i^.  (dotted,  starred,  and  light 
dashed  lines) 

Establish  location  of  tangent  pink  noise  line.  Having  plotted 
the  spectral  density  of  computed  output  noise  from  each  of 
the  five  sources,  a  -3dB  per  octave  slope  is  lowered  until  it 


touches  one  of  the  curves.  This  will  be  seen  to  be  the  en 
(x  noise  gain)  curve,  at  1  kHz.  Qualitatively,  we  observe  im- 
mediately the  following: 

The  bulk  of  the  random  noise  will  occur  in  the  vicinity  of 
1kHz,  mostly  contributed  by  the  amplifier,  but  with  some  con- 
tribution from  the  10k  resistor. 

There  will  be  a  minor  additional  contribution  at  1  MHz. 

If  we  (in  a  purely  arbitrary  manner)  approximate  all  the  noise 
by  the  decade  of  pink  noise  (K  =  160/uV/  Vcpsj  in  the  vicinity 
of  1kHz,  the  total  RMS  noise  would  be  1.52  x  160  =  244  mi- 
crovolts. That  this  is  quite  conservative  will  be  seen  by  the 
actual  calculation,  from  the  curves 

COMPUTE  THE  TOTAL  NOISE 
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rms 
76mV 


Region 
100kHz  up 
(amplifier) 

lkHztolOOkHz  120/iV 
(amplifier) 

200HztolkHz  116/iV 
(amplifier) 

All  frequencies  52/LiV 
(resistor) 


Method 

White  noise  —  6dB/octave  rolloff 

1.26  x  0.06  x  103 

White  noise  —  6dB/octave  skirt 

0.76  x  5  x  \A00O 

Spot  noise,  summation  of  lOOcps 

spots  10v2en^ 

10k  resistor,  white  noise,  1kHz 

rolloff  1.26  x  1.3  1000 


Figure  1 1.  Closed-loop  Gain  Relationships 


The  above  constitute  all  the  significant  contributions,  and  add 
up,  RMS  fashion,  to 

Vw+W+\W+SV  =  190  microvolts  RMS 

It  may  be  a  useful  exercise  for  the  reader  to  convince  himself 
that  all  other  sources  and  bands  contribute  in  a  minor  or  neg- 
ligible degree. 

FURTHER  DISCUSSION  OF  THIS  EXAMPLE 

The  total  random  noise  of  190  microvolts  may  be  referred  back 
to  either  of  the  inputs  to  determine  the  signal-to-signal  noise 
ratio.  It  will  be  seen  that,  referred  to  ej,  (gain  of  100)  the 
noise  is  1.9  microvolts  RMS,  and,  referred  to  &2  (gam  °f  10), 
the  noise  is  1 9  microvolts  RMS. 

The  signal  "cutoff"  frequency  of  this  circuit  is  1kHz,  and  it 
will  be  seen  that,  because  of  the  absence  of  peaking,  the  noise 
contribution  at  1MHz,  though  significant,  is  a  relatively  small 
contributor  to  the  total.  However,  if  an  amplifier  having  less 
phase  margin  were  used,  and  if  the  signal  bandwidth  were  also 
less,  (larger  feedback  capacitor  used)  it  can  be  seen  that  the 
dominant  noise  could  be  in  the  region  of  1MHz,  even  though 
this  is  well  beyond  the  passband  of  interest.  If  this  is  the  case 
in  a  given  application,  and  an  amplifier  having  narrower  band- 
pass is  not  available,  it  may  be  desirable  to  follow  the  amp- 
lifier by  a  low-impedance  low-pass  R-C  or  L-C  filter,  to  greatly 
reduce  the  high-frequency  noise.  If  this  is  done,  the  post-filter 
transfer  function  is  applied  to  the  output  noise  spectrum,  and 
the  pink  noise  slope  is  lowered  until  it  is  once  again  tangent  to 
one  of  the  curves.  An  important  suggestion  to  the  circuit  desig- 
ner is:  Do  not  use  an  amplifier  having  greater  bandwidth  than 
is  necessary  for  the  application  (if  feasible). 


OPERATIONAL  AMPLIFIERS  13-33 


NOISE  FIGURE 

(18)       N.F.  =  I0tn 


E„2+ W+4kTR,B 
4kTR,B 


where  Rs  is  the  source  resistance.  Noise  Figure  is  expressed  in 
dB,  and  is  zero  for  an  ideal  noiseless  amplifier.  For  a  given 
amplifier,  N.F.  is  minimum  if  Rs  =  En/In,  a  quantity  known 
as  the  "optimum  noise  resistance."  It  should  be  noted  that 
N.F.  depends  on  bandwidth,  and  that  R0ptimum  mav  differ 
from  frequency  band  to  frequency  band.  A  better  way  to  ex- 
press Noise  Figure  may  be  in  terms  of  the  actual  closed-loop 
configuration,  and  the  computed  RMS  noise.  For  the  example 
given  above,  using  this  definition 

N  p  =  1()       (Total  output  noise) 
log'°  (Source  resistor  noise) 

-10|oe"(1.26)H1.3)2(1000)_11-iidB 


Note  that,  for  this  amolifier.  R —  is 

,  "  40))k      a,  jkHz 

0.12pA/Vcps 

Note  also  that  the  best  noise  figure  does  not  always  produce 
the  lowest  noise.  This  concept  is  perhaps  of  greatest  usefulness 
when  considering  non-inverting  amplifier  configurations.  When 
experimenting  with  various  circuit  impedance  levels,  it  is  good 
practice  to  add  a  small  signal  as  a  reference,  in  order  to  aid  in 
maximizing  signal-to-noise  ratio,  rather  than  merely  minimiz- 
ing output  noise. 


Footnotes: 


^See  Noise  Bibliography,  page  16 

2See  Operational  Amplifiers,  part  IV:  "Offset  and  Drift  in 
Operational  Amplifiers,"  Analog  Devices,  Inc.  1966 
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Very  Low  Noise  Operational  Amplifier 


by  Derek  F.  Bowers 


APPLICATIONS 

•  High  Precision  Instrumentation 

•  Microphone  Preamplifier 

•  Tape-Head  Preamplifier 

•  Strain-Gage  Amplifier 


FEATURES 

•  Very  Low  Voltage  Noise   500pV/\/  Hz 

•  High  Gain-Bandwidth  Product  1S0MHz 

•  High  Open-Loop  Gain   3  x  107 

•  High  CMRR  130dB 

•  Very  Low  Offset  Voltage  Drift  <0.1MV/°C 

GENERAL  DESCRIPTION 

In  situations  where  low  output,  low-impedance  transducers  are 
used,  amplifiers  must  have  very  low  voltage  noise  to  maintain  a 
good  signal-to-noise  ratio.  The  design  presented  in  this  applica- 
tion note  is  an  operational  amplifier  with  only  500pW  i/Hz  of 
broadband  noise.  The  front  end  uses  SSM-221 0  low-noise  dual 
transistors  to  achieve  this  exceptional  performance.  The  op  amp 
has  superb  DC  specifications  compatible  with  high-precision 
transducer  requirements,  and  AC  specifications  suitable  for 
professional  audio  work. 

PRINCIPLE  OF  OPERATION 

The  design  configuration  in  Figure  1  uses  an  OP-27  op  amp 
(already  a  low-noise  design)  preceded  by  an  amplifier  consisting 
of  three  parallel-connected  SSM-221 0  dual  transistors.  Base 
spreading  resistance  (Rbb)  generates  thermal  noise  which  is 
reduced  by  a  factor  of  ^  when  the  input  transistors  are  parallel 
connected.  Schottky  noise,  the  other  major  noise-generating 
mechanism,  is  minimized  by  using  a  relatively  high  collector 
current  (1  mA  per  device).  High  current  ensures  a  low  dynamic 
emitter  resistance,  but  does  increase  the  base  current  and  its 
associated  current  noise.  Higher  current  noise  is  relatively 
unimportant  when  low-impedance  transducers  are  used. 


Simplified  Schematic  for  Very  Low  Noise  Operational 
Amplifier 


Figure  1:  Simplified  Schematic 
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CIRCUIT  DESCRIPTION 

The  detailed  circuit  is  shown  in  Figure  2.  A  total  input-stage 
emitter  current  of  6mA  is  provided  by  Q4.  The  transistor  acts  as 
a  true  current  source  to  provide  the  highest  possible  common- 
mode  rejection.  Rr  R2,  and  R3  ensure  that  this  current  splits 
equally  among  the  three  input  pairs.  The  constant  current  in  0.4 
is  set  by  using  the  forward  voltage  of  a  GaAsP  light-emitting 
diode  as  a  reference.  The  difference  between  this  voltage  and 
the  base-emitter  voltage  of  a  silicon  transistor  is  predictable  and 
constant  (to  within  a  few  percent  over  the  military  temperature 
range.  The  voltage  difference,  approximately  1V,  is  impressed 
across  the  emitter  resistor  R12  which  produces  a  temperature- 
stable  emitter  current. 


R6  and  C,  provide  phase  compensation  for  the  amplifier  and  are 
sufficient  to  ensure  stability  at  gains  of  ten  and  above. 

R7  is  an  input  offset  trim  that  provides  approximately  ±300uV  trim 
range.  The  very  low  drift  characteristics  of  the  SSM-221 0  make 
it  possible  to  obtain  drifts  of  less  than  0.1  uV/°C  when  the  offset 
is  nulled  close  to  zero.  If  this  trim  is  not  required,  the  R4,  R7,  and 
R.  network  should  be  omitted  and  R5/R„  connected  directly  to 
V+. 


NULL 

— wv- 


22n 


1.5k.Q,  0.1%  , 


R6,  150S2  Cv  O.OIjiF 


100nF 


T 


> 


 j  SSM-221 0 


_  -I  SSM-221 0 


-l  SSM-221 0 


1 


100nF 


Figure  2:  Complete  Amplifier  Schematic 
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AMPLIFIER  PERFORMANCE 

The  measured  performance  of  the  op  amp  is  summarized  in 
Table  1 .  Figure  3  shows  the  broadband  noise  spectrum  which  is 
flat  at  about  500  pV/^Hz  .  Figure  4  shows  the  low-frequency 
spectrum  which  illustrates  the  low  1  /f  noise  corner  at  1 .5Hz.  The 
low-frequency  characteristic  in  the  time  domain  from  0.1  Hz  to 
10Hz  is  shown  in  Figure  5;  peak-to-peak  amplitude  is  less  than 
40nV. 

Table  1:  Measured  Performance  of  the  Op  Amp 


Input  Noise 

Voltage  Density  at  1  kHz 

soopv/v/TiF 

Input  Noise 

Voltage  from  0.1  Hz  to  10Hz 

40nVp.p 

Input  Noise  Current  at  1  kHz 

1.5pA/\/  Hz 

Gain-Bandwidth 

G 
G 
G 

=  10 
=  100 
=  1000 

3MHz 
600kHz 
150kHz 

Slew  Rate 

2V/ais 

Open-Loop  Gain 

3  X  107 

Common-Mode  Rejection 

130dB 

Input  Bias  Current 

3/xA 

Supply  Current 

10mA 

Nulled  TCVos 

0.1/iV/°C  Max 

T.H.D.  at  1kHz 

G 

=  1000 

0.002% 

Spectrum  analyzer  display  of  broadband  noise  with  a 
gain  of  10,000. 

Horizontal  axis  =  0  to  2.5kHz. 

Normalized  vertical  axis  =  SSOpV/V  Hz  R.T.I. 

en  =  50^p\J/^fH^  at  1  kHz. 


Low  frequency  noise  spectrum  at  a  gain  of  10,000 
showing  a  low  1.5Hz  noise  corner. 


Figure  4:  Spectrum  Analyzer  Display  —  Low  Frequency 


Peak-to-peak  noise  from  0.1  to  10Hz. 
Overall  gain  is  100,000. 


Figure  5:  Oscilloscope  Display 
CONCLUSION 

Using  SSM-2210  matched  transistor  pairs  operating  at  a  high 
current  level,  it  is  possible  to  construct  a  high-performance,  low- 
noise  operational  amplifier.  The  circuit  uses  a  minimum  of 
components  and  achieves  performance  levels  impractical  with 
monolithic  amplifiers. 


Figure  3:  Spectrum  Analyzer  Display  —  Broadband 
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By  employing  a  spreadsheet's 
built-in  graphics  and  pro- 
gramming capabilities,  us- 
ers can  easily  compare  the 
noise  performance  of  different  op 
amps  and  plot  their  noise  versus  a  va- 
riety of  resistance  and  gain  values. 
Using  a  noise  model  for  the  op  amp 
(Fig.  1),  the  expression  for  the  effec- 
tive integrated  output  noise  (Von) 
equals: 

V„n  =  f  [In-  RfbP  +  Bn+  Rpd  -  G)? 
+  [VN(1-G)]2 
+  4kT[RFB  +  RPFG2 
+  RP(l-G)2]]i/2BWi/2 

and  the  expression  for  the  effective 
integrated  input  noise  (Vin) 
equals: 

Vin  =  Von/(l-G) 

where 

•  V0„  =  the  output  noise  voltage 

•  IN_  is  the  input  noise  current  at  the 
inverting  input 

•  RFE  is  the  feedback  resistance  in 
ohms 

•  IN+  is  the  input  noise  current  at  the 
noninverting  input 


•  RP  is  the  resistance  at  the  nonin- 
verting input 

•  G  is  the  circuit  gain  that  equals 
— Rpg/Rpp 

•  VN  is  the  equivalent  input  noise 
voltage 

•  k  is  Boltzman's  constant 

•  T  is  the  absolute  temperature  in  de- 
grees Kelvin 

•  RFF  is  the  feedback  resistance  in 
ohms 

•  BW  is  the  bandwidth  in  hertz. 


I 


1.  THIS  OP  AMP  noise  model  accounts  for  noise 
current  through  the  inverting  (IN_)  and  noninverting  (IN+) 
inputs  and  the  input  noise  voltage  (VN).  Each  current  in- 
duces a  noise  voltage  in  the  resistors  through  which  it  flows. 
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Programming  these  equations 
i  a  spreadsheet  lets  users  com- 
ferent  op  amps  as  well  as  ex- 
fferent  component 
1  interactive  rather  than  a 
batch  mode.  This  particular  example 
was  done  using  Microsoft's  Excel 
spreadsheet  program  (Fig.  2a).  With 
component  values  entered  in  the 
cells  across  row  9,  the  formula  for 
the  effective  integrated  output  noise 
in  u-V  (entered  in  cell  J9)  is: 

=((A9'E9f2  +(A9*F9*(1-I9))"2 
+(C9*(1-I9)f2  +H9*(E9+D9*I92 
+F9*(l-I9)~2)f0.5  *G9"0.5*  1000000 

This  noise  model  for  an  op  amp  ac- 
counts for  noise  through  the  invert- 
ing and  noninverting  inputs  as  well 
as  the  input  noise  voltage.  The  noise 
versus  circuit  gain  can  be  plotted  by 
using  the  values  obtained  from  the 
spreadsheet  (Fig.  2b). 


Data  Sheet  Values 


OP  AMP  NOISE  CALC0LATI0NS 


Circuit  Thermal 

Circuit  Values 


Gain  (tiVrms) 


l„_ 

Vn 

R„ 

B, 

«p 

(Hz) 

4kT 

G  =  R,/n,„ 

16-11 

1E-11 

2E-09 

1000 

1000 

0 

10000000 

1.645E-20 

-1  00 

38.59 

16-11 

1E-11 

2E-09 

950 

1000 

0 

10000000 

1.645E-20 

-1.05 

38.81 

1E-11 

1E-11 

2E-09 

900 

1000 

0 

10000000 

1.645E-20 

-1.11 

39.06 

1E-11 

1E-11 

2E-09 

850 

1000 

0 

10000000 

1.645E-20 

-1.18 

39.34 

16-11 

1E-11 

2E-09 

800 

1000 

0 

10000000 

1.645E-20 

-1.25 

39.66 

1E-11 

1E-11 

2E-09 

750 

1000 

0 

10000000 

1.645E-20 

-1.33 

40.02 

ie-ii 

1E-11 

2E-09 

700 

1000 

0 

10O0O0O0 

1.645E-20 

-1.43 

40.44 

1E-11 

1E-11 

2E-09 

650 

1000 

0 

10000000 

1.645E-20 

-1.54 

40.93 

1E-11 

1E-11 

2E-09 

600 

1000 

0 

10000000 

1.645E-20 

-1.67 

41.51 

1E-11 

1E-11 

2E-09 

550 

1000 

0 

10000000 

1.645E-20 

-1.82 

42.21 

1E-11 

1E-11 

2E-09 

500 

1000 

0 

10000000 

1.645E-20 

-2.00 

43.05 

1E-11 

1E-11 

2E-09 

450 

1000 

0 

100O00O0 

1.645E-20 

-2.22 

44.11 

1E-1 1 

1E-11 

2E-09 

400 

1000 

0 

10000000 

1.645E-20 

-2.50 

45.45 

1E-11 

1E-11 

2E-09 

350 

1000 

0 

10000000 

1.645E-20 

-2.86 

47.22 

1E-11 

1E-11 

2E-09 

300 

1000 

0 

10000000 

1.645E-20 

-3.33 

49.64 

1E-11 

1E-11 

2E-09 

250 

1000 

0 

10000000 

1.645E-20 

-4.00 

53.13 

1E-11 

1E-11 

2E-09 

200 

1000 

0 

10000000 

1.645E-20 

-5.00 

58.54 

1E-11 

1E-11 

2E-09 

150 

1000 

0 

10000000 

1.645E-20 

-6.67 

67.91 

1E-11 

1E-11 

2E-09 

100 

1000 

0 

10000000 

1.645E-20 

-10.0 

87.46 

1E-11 

1E-11 

2E-09 

50 

1000 

0 

10000000 

1.645E-20 

-20.0 

148  64 

lal 


1000.00 


I 


15  6  7  8  illL  13 14 15 16 17 18 19  20 


Magnitude  of  op-amp  gan 
lb) 


2.  THE  SPREADSHEET  CALCULATIONS  MAKE  IT  POSSIBLE  for 

users  to  compare  different  op  imps  in  the  same  circuit  configuration  or  vary  component 
values  and  look  at  the  effects  on  noise  (a).  The  spreadsheet's  results  can  be  plotted.  Here, 
the  noise  is  plotted  versus  circuit  gain  for  an  AD844  current-feedback  op  amp  for  a  10-MHz 
,b, 
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Amplifier  Phase  Accuracy 


Active  Feedback  Improves 


by  James  Wong 


Using  matched  op  amps  and  active  feedback,  you  can  mini- 
mize the  phase  error  and  so  extend  the  bandwidth  of  an  ampli- 
fier by  more  than  an  order  of  magnitude.  This  technique  is 
cheaper  than  using  wideband  amplifiers  and  less  sensitive  to 
the  temperature-related  drift  specifications  of  passive 
components. 

In  applications  such  as  sonar  and  image-processing  systems, 
the  phase  relationship  between  two  or  more  signals  reveals 
essential  information.  These  systems  require  accurate  phase 
response  in  their  amplifier  circuitry  to  minimize  measurement 
errors.  In  such  cases,  active  feedback  can  often  serve  much 
better  than  other  approaches.  A  typical  op  amp  is  insufficient 
in  this  situation  because  it  introduces  significant  phase  shift 
long  before  it  reaches  its  -3dB  frequency.  The  consequent 
phase  error  reduces  the  effective  bandwidth  of  an  op  amp  to 
something  significantly  less  than  the  -3dB  point. 

You  can  use  a  wideband  amplifier  to  overcome  this  phase- 
error  problem.  If  the  wideband  amplifier  operates  with  a  -3dB 
bandwidth  that  is  much  higher  than  that  of  the  signal  that  you 
intend  to  amplify,  then  the  phase  error  at  your  signal's  fre- 
quency decreases  proportionately.  The  wideband  amplifier's 
greater  expense  is  the  main  drawback  to  this  approach. 

If  you  cascade  two  or  three  amplifiers,  each  of  which  has  its 
gain  reduced  to  share  the  overall  gain  of  the  composite  ampli- 
fier, the  gain  reduction  at  each  stage  of  the  amplifier  increases 
the  -3dB  bandwidth  of  each  stage  of  the  amplifier.  Conse- 
quently, the  overall  bandwidth  for  a  given  phase  accuracy  is 
increased,  but  you  pay  for  this  improvement  with  increasingly 
higher  costs  and  noise  levels. 

Another,  less  expensive  way  to  solve  the  phase-error  problem 
is  to  introduce  extra  circuitry  in  the  amplifier's  feedback  loop, 
which  provides  frequency  compensation.  You  can  use  an  RC 
circuit  to  create  a  zero  in  the  feedback  loop  that  cancels  the 
amplifier's  pole.  This  cancellation  improves  the  phase  re- 
sponse markedly  by  lessening  the  amplifier's  phase-response 
roll-off.  The  chief  disadvantage  of  the  RC  technique  is  that  it 
requires  extensive  tuning  to  match  the  zero  with  the  pole. 
Furthermore,  the  different  temperature  coefficients  of  the  RC 
components  cause  the  zero  to  drift.  And  when  the  zero  drifts, 
it  no  longer  cancels  the  pole,  and  phase  error  becomes  a 
problem  once  again. 

Placing  an  op-amp  circuit  in  the  feedback  stage  of  the  ampli- 
fier creates  the  active  feedback  that  can  overcome  the 
temperature  drift  of  the  RC  networks.  It  is  also  a  thriftier 
approach  than  using  a  wideband  amplifier.  You  must  make 
sure,  however,  that  the  op  amps  are  very  closely  matched. 
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Monolithically  matched  dual  or  quad  op  amps  can  provide  the 
frequency-matching  characteristics  (to  within  1  to  2%)  neces- 
sary for  the  success  of  the  active-feedback  approach.  This 
close  matching  is  necessary  across  the  full  temperature  range 
of  your  application.  It's  easier  to  achieve  in  an  integrated  dual 
or  quad  op  amp  than  it  is  in  discrete  resistors  and  capacitors. 

Figure  1  shows  a  basic  active-feedback  circuit.  It  requires  an 
op  amp  and  two  external  resistors  to  achieve  phase-error 
cancellation.  In  the  circuit,  op  amp  A  provides  the  forward 
gain  of  the  composite  amplifier.  Resistors  and  R-|/K, 
determine  the  closed  loop  gain  Av  *>  1  +  Kv  Amplifier  A2 
provides  active  feedback  to  op  amp  A,.  The  ratio  of  resistors 
R2and  B2/K2  determines  the  amount  of  phase-error  compen- 
sation and  has  no  effect  on  the  forward  gain  of  the  composite 
amplifier.  You  obtain  optimum  error  cancellation  when  K,  = 
K2. 

In  terms  of  the  complex  frequency  response,  the  error  terms 
for  the  circuit  are  given  by: 

magnitude  errors  \-^~ 


phase  error  = 


PtoTj 


These  equations  let  you  compare  the  phase  error  associated 
with  a  single  amplifier  with  that  associated  with  the  2-op-amp, 
active-feedback  approach.  They  arise  from  a  complete  analy- 
sis of  the  basic  circuit  and  its  derivatives  (see  "Analyzing 
compensation  techniques"). 


■OVo 
Vo-Od  +  DV,. 

FIGURE  1:  Second-order  compensation,  as  provided  by 
the  op  amp  in  the  feedback  path  of  this  circuit,  extends 
the  effective  bandwidth  of  an  amplifier  substantially. 
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TABLE  1 :  AC-Error  Comparison 


SINGLE-STAGE  CASCADED 

CONVENTIONAL  (TWO-STAGE) 
PHASE  PHASE 
FREQUENCY        (DEGREE)  (DEGREE) 


SECOND-ORDER 
COMPENSATION 
PHASE 
(DEGREE) 


5kHz 


-0.57 


-0.36 


10kHz 


-1.15 


-0.72 


-7.21 


500kHz 


^15.0 





DOMINANT  POLES  OCCUR  AT  500kHz 

Table  1  tabulates  the  phase  error  and  magnitude  error  for  an 
amplifier  with  a  gain  of  10.  The  comparison  assumes  that  the 
op  amp's  unity-gain  bandwidth  is  5MHz.  As  you  can  see  in  the 
table,  the  dominant  poles  of  all  three  amplifiers  occur  at 
500kHz,  where  the  phase  shift  for  each  technique  is  -45°. 
Clearly,  the  compensation  techniques  do  not  extend  the 
op  amp  itself.  Rather,  these  second-order 


FREQUENCY  RATIO  (1,»  <^T> 

FIGURE  2:  Phase  shift  for  single-op-amp,  cascaded-op- 
amp,  and  second-order-compensation  designs  are 
charted  here.  Note  the  significant  improvement  brought 
about  by  second-order  compensation. 
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FIGURE  3:  Second-order  compensation  does  carry  the 
penalty  of  gain  peaking,  but  this  doesn 't  become  signifi- 
cant until  close  to  the  corner  frequency. 


  compensation  techniques  reduce  the  phase  error  at  lower 

frequencies  by  adding  an  equal  but  opposite  phase  shift  in  the 
amplifier  feedback  loop. 

If  you  must  limit  phase  error  to  less  than  half  a  degree,  the 
second-order  compensation  technique  increases  the  effec- 
tive bandwidth  of  your  amplifier  from  about  5kHz  to  more  than 
100kHz.  If  you  need  to  limit  phase  error  entirely,  the  second- 
order  compensation  reduces  phase  error  virtually  to  zero  at 
frequencies  to  50kHz;  in  contrast,  a  single-stage  amplifier 
would  be  limited  to  well  below  500Hz. 

The  phase  and  magnitude  responses  are  plotted  in  Figures  2 
and  3,  respectively.  The  single  op-amp  response  serves  as  a 
basis  for  comparison.  The  maximum  scale  of  1.0  represents 
the  -45°  phase-shift  frequency.  Figure  2  shows  that  the  cas- 
caded 2-stage  amplifier  offers  only  a  slight  improvement  in 
bandwidth,  and  that  the  second-order  compensation  method 


offers  a  significant  improvement  in  ( 
THE  TRADEOFFS  ARE  MINOR 

The  tradeoffs  associated  with  the  second-order  feedback 
technique  are  minimal.  Figure  3  illustrates  the  appreciable 
gain  peaking  incurred,  but  the  circuit  typically  peaks  about 
3dB  at  the  -45°  phase  frequency,  well  outside  the  useful 
range.  Within  the  frequency  range  where  phase  shift  is  neg- 
ligible, the  gain  error  is  also  insignificant.  In  Figure  3,  for 
example,  at  1/10  of  the  corner  frequency,  gain  error  is  only 
0.1dB,  about  1.2%. 

In  executing  the  second-order  compensation  design,  it's 
extremely  important  to  use  op  amps  with  frequency  re- 
sponses matched  to  within  1  to  2%.  Op  amps  packaged 
separately  can  have  mismatches  as  high  as  10  to  20%,  and 
high  levels  of  mismatching  cause  either  over-  or  undercom- 
pensation. Overcompensation  creates  excessive  phase  peak- 
ing, and  undercompensation  causes  early  phase  roll-off. 

Theoretically,  second-order  compensation  works  for  any 
closed-loop  gain.  In  practice  though,  at  low  gains,  within  the 
1-to-5  range,  the  circuit  may  become  unstable  due  to  phase- 
margin  degradation  introduced  by  the  active  feedback.  As  a 
rule  of  thumb,  you  should  work  with  a  gain  of  10  or  greater. 
The  match  between  theoretical  and  actual  performance 
improves  as  the  gain  of  the  circuit  is  increased. 
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A  circuit  using  the  second-order  compensation  is  illustrated 
in  Figure  4.  The  op  amp  used  in  this  example  is  an  OP-470, 
which  is  unity-gain  stable  and  provides  a  6MHz  unity-gain 
bandwidth.  It's  a  quad  op  amp  that  offers  a  1%  match  in  ac 
characteristics  between  the  four  op  amps  on  the  chip.  The 
circuit  provides  a  gain  of  10  for  the  amplifier. 

The  actual  phase  response  of  the  circuit  was  measured  using 
a  network  analyzer  and  is  compared  with  a  single-stage 
amplifier  in  Figure  5.  The  measurement  confirms  that  the 
phase  shifts  of  the  second-order-compensated  design  and 
the  single-stage  design  converge  at -45°  and -135°,  respec- 
tively. The  second-order  response  runs  virtually  flat  with 
negligible  phase  shift  to  a  much  higher  frequency  before 
bandwidth  limitation  sets  in.  The  roll-off  is  much  steeper  for 
the  second-order  system  than  for  the  single-stage  system. 
Figure  6  illustrates  more  clearly  that  the  second-order  cir- 
cuit's phase  error  remains  nearly  zero  out  to  100kHz,  while 
the  single-stage  amplifier's  low  phase-shift  bandwidth  is 
limited  to  2kHz. 

Figure  6  also  reveals  a  slight  amount  of  phase  peaking  at 
about  100kHz,  just  before  the  response  rolls  off.  The  peaking 
stems  from  the  op  amps'  second  poles  near  the  unity-gain 
frequency.  With  a  closed-loop  gain  of  10,  the  dominant  pole 
and  the  second  pole  are  separated  by  only  one  decade  in 
frequency.  This  proximity  causes  secondary  effects  on  the 
phase  response  of  the  amplifier.  However,  if  you  increase  the 
closed-loop  gain  of  the  circuit,  you  further  separate  the  two 
poles,  reducing  the  second-pole  effect. 

Fortunately,  the  second-order  compensation's  improvement 
in  phase  error  does  not  exact  much  of  a  penalty  in  magnitude 
error.  Figure  7  charts  the  magnitude  response  versus  fre- 
quency. Some  gain  peaking  is  apparent,  but  as  predicted,  the 
peaking  occurs  well  beyond  the  amplifier's  useful  bandwidth. 


FREQUENCY  |Hz) 

FIGURE  5:  The  phase  response  of  Figure  4's  circuit  illus- 
trates the  improved  flatness  of  response  that  can  be 
attributed  to  second-order  compensation. 
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FIGURE  4:  This  amplifier  uses  the  second-order 
compensation  technique  with  circuit  values  shown  for  a 
gain  of  10. 


FIGURE  6:  Slight  peaking  in  the  phase  response  at 
100kHz  for  the  second-order-compensated  circuit  is 
illustrated  in  this  close-up  view  of  Figure  5. 


FREQUENCY  (H.) 


FIGURE  7:  The  magnitude  response  of  the  second-order- 
compensated  circuit  exhibits  peaking  at  a  frequency  that 
is  well  beyond  the  useful  range  of  the  circuit. 


OPERATIONAL  AMPLIFIERS  13-43 


(Figure  8  shows  a  close-up  of  the  gain  peaking  for  the 
second-order-compensated  circuit.)  In  the  frequency  range 
below  100kHz,  gain  error  is  held  to  less  than  0.25dB  or  3%.  In 
comparison  to  the  single-stage  approach,  a  second-order 
compensation  offers  both  low  phase  error  and  low  magni- 
tude error  over  a  significantly  expanded  bandwidth. 

Either  resistor  tolerances  or  op-amp  mismatches  can  degrade 
the  compensation  circuit's  performance  but  to  no  great 
extent.  What  does  make  a  big  difference  is  variations  in  K2 
(Figure  9).  If  you  assume  that  the  op  amps  in  Figure  1  match 
perfectly,  the  resistor  ratio,  is  the  only  variable  that  affects 
the  amount  of  phase  compensation  that  the  feedback  circuit 
provides.  If  you  decrease  K2,  the  gain  of  op  amp  A2  is  also 
decreased;  in  turn,  the  dominant  pole  of  A2  shifts  to  a  higher 
frequency,  thereby  decreasing  the  compensation.  In  the 
extreme  case,  where  op  amp  A2's  gain  is  reduced  to  unity,  the 
circuit  behaves  as  if  it  had  no  compensation  at  all.  It  then 
responds  as  a  single-stage  amplifier.  On  the  other  hand,  if 
you  increase  K2,  the  gain  of  A2  is  likewise  increased,  and  A2's 
bandwidth  decreases;  overcompensation  results.  The  end 
effect  is  that  phase  and  gain  peak  more. 

Third-order  compensation,  which  requires  another  op  amp 
and  two  resistors  in  the  feedback  path,  provides  even  greater 
phase  compensation  than  afforded  by  second-order  com- 
pensation. The  schematic  for  the  third-order  compensation 
circuit  is  given  in  Figure  10.  The  additional  compensation 
comes  from  op  amp  A3  in  the  feedback  path  of  op  amp  A^ 
The  basic  circuit  is  the  same  as  that  of  the  second-order 
compensation  circuit. 

The  sinusoidal  transfer  function  when  the  phase  difference  is 
minimized  may  be  written: 


1  -j(T<fl) 


1-0.61  8034(tco)  2-  0.61  8034(to>)  *-  (wo) 6 


where:  t  = 


1 


The  numerator  contains  the  phase  information  and  the 
denominator  contains  the  magnitude  information.  Table  2 
contrasts  the  magnitude  and  phase  errors  for  the  second- 
order  response  with  that  of  the  third-order  response.  Magni- 
tude error  is  38%  lower  for  third-order  compensation.  Phase 
error  is  reduced  from  a  third-order  to  a  fifth-order  term. 

The  third-order  frequency  response  is  plotted  in  Figure  11  in 
comparison  to  that  of  the  second-order  compensation  and  of 
the  single  op-amp  design.  Given  a  prescribed  error  band  — 
for  example,  one  degree  of  phase  error  —  third-order  com- 
pensation doubles  the  effective  bandwidth  of  an  amplifier 
design  over  the  second-order  compensation  technique. 

As  you  might  imagine,  the  extra  op  amp  in  the  feedback  loop 
causes  the  gain  to  peak  more  at  the  -45°  corner  frequency. 
However,  in  the  frequency  range  where  phase  error  is  mini- 
mal, gain  accuracy  is  also  improved.  At  a  frequency  ratio 
below  0.1,  magnitude  errors  do  not  exceed  0.1dB. 
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FIGURE  8:  Taking  a  closer  look  at  the  magnitude 
response,  you  see  that  below  100kHz,  the  frequency 
range  where  phase  error  is  negligible,  only  a  small  deg- 
radation in  gain  accuracy  occurs. 


5 
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FIGURE  9:  Phase-response  sensitivity  to  variations  in  the 
compensation  resistor  ratio  results  in  slight  over-  and 
undercompensation. 

TABLE  2:  Error  Comparison  of  Second-Order  vs  Third-Order 
Compensation 


SECOND-ORDER 

THIRD-ORDER 

1 

CLOSED-LOOP  GAIN  ~ 

P  \ 

1 

i 

MAGNITUDE  ERROR                ( j^J 

U»t/ 

PHASE  ERROR  "(j^)' 

-H5 

13-44    OPERATIONAL  AMPLIFIERS 


»i»o- 





-W  1 

5670  J 


FIGURE  10:  Third-order  compensation  takes  the  concept 
of  active  feedback  one  step  further,  adding  another 
level  of  compensation  to  the  feedback  path. 


■ 

FIGURE  12:  A  third-order  compensation  circuit  with 
component  values  that  set  a  gain  of  10  for  the  amplifier 


is  illustrated  here. 


FIGURE  11:  For  a  given  phase  error,  the  third-order 
compensation  technique  offers  twice  the  bandwidth  that 
the  second-order  technique  does. 

Figure  12  shows  a  test  circuit  that  implements  the  third-order 
compensation.  The  phase  response,  measured  by  a  network 
analyzer,  is  compared  to  that  of  the  second-order  compensa- 
tion and  of  a  single-op-amp  design  in  Figure  13.  The  phase 
response  of  the  third-order  design  remains  flat  beyond 
400kHz,  double  the  200kHz  provided  by  the  second-order 
design.  The  magnitude  response,  on  the  other  hand,  has 
considerably  higher  peaking  than  the  second-order  design, 
but  below  350kHz,  the  third-order  design  actually  provides 
lower  magnitude  error  than  does  the  second-order  design. 


FIGURE  13:  The  actual  phase  response  of  the  third-order 
circuit  remains  flat  to  a  higher  frequency  than  the 
second-order  circuit  or  the  single-op-amp  design. 
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of  the  circuit  and  the  amplifier's  own  natural  frequency  re- 
sponse. You  can  approximate  the  amplifier's  open-loop  fre- 
quency response  in  this  way: 

A0 


open-loop  gain  A(s); 


1  A°e 
1  +  —  s 

(0T 


where  AQ  is  the  dc  open-loop  gain  and,toT  is  the  unity-gain 
radian  frequency  of  the  amplifier. 

The  fundamental  assumption  underlying  this  approximation  is 
that  the  amplifier  has  a  single-pole  response.  Thus,  the 
closed-loop  response  as  a  function  of  frequency  is  given  by: 


closed-loop  gain  ACL(s)  = 


1 


1  +- 


A0P 


1 

(3toT 


As  long  as  the  loop  gain  is  much  greater  than  unity  -  which  is 
usually  the  case  -  you  can  rewrite  the  expression  as: 

1  / "    1  \ 

closed-loop  gain  ACL(s)  =  -    . 


1  +-^s , 


Figure  B  illustrates  the  magnitude  and  phase  response  of  the 
closed-loop  amplifier.  Notice  that,  at  the  -3dB  corner  fre- 
quency toc,  the  phase  shift  is  -45°.  Even  at  1/10  of  the  corner 
frequency,  the  amplifier  still  has  a  5.7°  phase  lag.  The  maxi- 
mum frequency  must  be  nearly  two  decades  below  the  corner 
frequency  to  reduce  phase  error  to  less  than  one  degree. 

Figure  1  illustrates  the  second-order,  active-feedback  com- 
pensation circuit  that  you  can  model  by  writing  the  transfer 
equation  for  the  two  amplifier  loops.  In  solving  this  equation, 
assume  that  each  amplifier  has  a  single-pole  roll-off  response 
and  that  the  two  amplifier  responses  match  perfectly. 

At  the  junction  of  R,  and  R/K, ,  the  resistor  divider  expression 
becomes: 

Vri — - — I. 

Similarly,  the  resistor  divider  expression  for  R2  and  R2/K2  is: 
For  ac  response,  the  loop  equations  can  now  be  written: 

/     4     \     1  mm 

A, loop:  VD= 


1  +K. 


a>2 
s 


A2loop:  V2  ■ 


Solving  the  simultaneous  equations  in  terms  of  V0  and  VIN ,  the 
transfer  function  is: 


i+M^is  +  (liKiHl^Ns2 


(0T 


C0T 


Defining  the  time  constants: 

1+K,  1+K2 
t,  =   and  x2  =  , 


(BT 


and  substituting  those  time  constants  into  the  previous  equa- 
tions yields: 


1  +T2S 


1  +  T,S  +T,T2S 


FIGURE  A:  A  basic  single-stage  amplifier  without  any 
band-limiting  circuit  rolls  off  according  to  the  closed- 
loop  gain  of  the  circuit  and  the  amplifier's  own  natural 
frequency  response. 


-90 


FIGURE  B:  Magnitude  and  phase  response  are  shown 
for  the  basic  single-stage  amplifier.  Notice  that,  at  the 
-3dB  corner  frequency  wc  the  phase  shift  is  -45°. 
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ANALYZING  COMPENSATION  TECHNIQUES  Continued 
Foroptimumcompensation,  the  time  constants  x,  and-r2are 
made  equal: 

1+xs+x1 

For  sinusoidal  input,  where  phase  information  is  important,  the 
complex  frequency  domain  is  used: 


^(jco)=(l+K,) 


1  +  JXCO 


2  2 
1  +  jxCO-X  CO 


Now  we  calculate  the  complex  conjugates  to  simplify: 


VIN 

-(UK,) 


i  2    2  V 

(1  +jlCO)p  +  X  CO  -\1<&) 


(.  2  2)2  2 
\1  -  X  CO  }   +  X  CO 


..33 
1  —J  X  CO 


2  2  4  4 
1  -X  CO  +  X  CO 


From  this  equation,  the  magnitude  error  expression  can  be 
derived. 


Magnitude  error  = 


for  xco  «  1 , 


3  3 

1  -jxco 


2  2  4  4 
1  —  X  CO   +  X  CO 


2  2 
1  -X  CO 


=  1  +X  CO  - 1 


Similarly,  the  phase  error  expression  can  be  derived. 

•  .   3  3\  3  3 

Phase  error  =  ARC\1 -jx  co  ^  =  -xco. 

xco  relates  to  closed-loop  gain  as  —  =  1  +K,  =  1  +K2, 

therefore,  xco  =  -^-  ■ 
PcoT 

The  transfer  function  can  then  be  rewritten  as: 

1 3 


V0  1 


1-J 


0) 


|pcoT)  +ipcoT;  _ 


Using  this  equation,  the  phase  and  magnitude  behaviors  as 
functions  of  frequency  are  tabulated  in  Table  A.  Note  that,  at 


1/10  of  the  corner  frequency,  the  compensated  circuit 
produces  a  -0.057°  phase  shift,  far  superior  to  the  -5.7°  pro- 
duced by  the  uncompensated  circuit. 

TABLE  A:  Second-Order  Compensation  Phase  and  Magni- 
tude Behavior 


CO 

pcoT 

PHASE  (DEGREE)  MAGNITUDE    20  LOG  (MAG)  IN  dE 

0.01 

-5.7  x  10-5 

1 .0000 

0.0000 

0.02 

-0.0005 

1 .0004 

0.0035 

0.04 

-0.00367 

1.0016 

0.0139 

0.05 

-0.00716 

1.0025 

0.0217 

0.06 

-0.01238 

1.0036 

0.0312 

0.07 

-0.01965 

1.0049 

0.0425 

0.08 

-0.0293 

1.0064 

0.0554 

0.1 

-0.0573 

1.01 

0.0864 

0.2  -0.458 

1.04 

0.3404 

0.3 

-1.547 

1.0896 

0.745 

0.4 

-3.662 

1.1576 

1.271 

0.5 

-7.162 

1.25 

1.938 

0.7 

-14.428 

1.3766 

2.776 

0.8 

-27.1125 

1.4598 

3.2858 

1.0 

-45.0 

1.4125 

3.0 

You  can  model  the  third-order  compensation  circuit  of  Figure 
1 0  in  a  similar  way.  Assume  that  all  three  op  amps  in  the  circuit 
have  a  single-pole  roll-off  in  the  frequency  response  repre- 
sented by: 


A0(s)  = 


where  coT  is  the  amplifier  unity-gain  crossover  frequency. 
For  ac  sinusoidal  response,  the  loop  equations  can  be  written: 


A,  loop:  V0: 
A2loop:  V2  s 


COj 

s 

COT 


(1+K2) 


rVn- 


(1+K,)  (1+K3) 


COT 

1 

s 

(1+K2) 

Solving  the  three  simultaneous  equations  in  terms  of  VQ  and 
VIN,  the  transfer  function  is: 


ax  +  bx  + 1 


vin        32/     1  +K3\     /    1    \ ' 
ax+bx+(l+T^)x+(^j 


Continued 
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ANALYZING  COMPENSATION  TECHNIQUES  Continued  The  objective  is  to  eliminate  the  co3  term: 

wherea  =  (l+K2)(l+K3), 
b  =  1  +  K2 

x  _  s 

1  +  K, 

Define  the  time  constants  x,  =  , 

toT 

1+K2  1+K3 
x2  =  ,  and  x3  =  ,  then  substitute, 

COy  C0T 


-t2[t1(t2-2t3)-t3J->0. 

JStitL 

1  equ 

■(t1+aT1)['C1(T1-dt1) 


First  substitute  x,  +t3  forx2,  then  let  t3  =  ax, ,  set  the 
equation  equal  to  zero  and  solve  for  ot: 

oc2  +  a-1  =0. 


V0 


(1+Kl) 


1  +T,S  +ToT,S 


I  \  2  3 

1  +lx1  +  X3)S +X,  X2S  +X1X2X3S 


The  dc  gain  of  the  amplifier  is  (1  +  K,).  And  the  ac  response  has 
the  general  form: 


°=(T*:«,K(S), 
V  IN 


where  ep(s)  = 


1  +x2s  +x2x3s 


1 +(x1  +  x3)s +x,  x2s  +x1x2x3s 


Solve  for  ac  response  in  terms  of  x, ,  x2,and  x3 


ep(jco)  = 


2 

1  -x2x3co  +jx2c 


,X2C0   +j[(x1  +  X3)o)-X1X2X3(0  j 


1  -x 


Defining: 

2 

a  =  1  -x2x3co  ,  b  =  x2to, 

2      .  3 
c  =  1-x1x2to,d=|x1  +x3lco-x1x2x3co 

£       _  a  +  jb  _  ac  +  bd  +  j(bc  -  ad) 
p(J  '"cTjd  


c  +d 


The  numerator  determines  the  phase  shift  of  the 
Solve  the  numerator  of  ep(jo>): 

ep(iw>  =  1  +j  [(t2-x1-x3)co-(xix22-x2x32-2x1x2x3)co3 
225! 

—  X,X2  X3  0)  J  ' 

To  minimize  phase  shift,  makex2-x,-x3=0,  and 


numerator  ep(jco)  = 
1 


+  j  (--C2)(tiX2-2x1x3-x32)(D3-x1x22x32  5 


Solving  aforthe  two  roofs,  you  obtain: 
a  =  0.618034 
a  =  -1.61 8034 
For  minimum  phase  shift,  the  relationships  x,  +  x3=x2  and 
x3=0.618x1,  are  used, 
x,  =x 

x2  =  1.618034x 
x3  =0.618034x, 

1+K,          1+K2  1+K3 
recalling  that  x,  =  ,  x2  =  ,  and  x3  =  . 


Since  K ,  relates  to  the  dc  gain  1  /p  of  the  amplifier  as 
(1  +  K,)  =  1/p,  the  design  equations  are 
1 


K 


-1. 


Substituting  and  solving  for  K2  and  K3  in  terms  of  K,, 
K2  =  1.61 8034  K,  +  0.61 8034 
K3  =0.618034  K, -0.382. 

These  three  last  design  equations  produce  optimum  phase 
cancellation  for  an  amplifier  with  any  gain.  For  example,  for  an 
amplifier  gain  of  10,  K,  =  9,  K2=15.18,  andK3=5.18. 

In  order  to  derive  the  complete  transfer  function,  the  denomi- 
nator is  similarly  solved.  Therefore,  with: 

2   2  4    4       6  6 

denominator  ep  (jo>)  =  1  -0.61 8x  a>  -0.618xco  +xu>, 
the  complete  ac  response  is: 

Etm  — _ . 

1  -0.618034  (xm)  -0.618034  (xco)  -(xa>) 
Finally,  the  complete  amplifier  transfer  function  is: 


Vo 
V,N 

(1+Kl) 


1  -j(xco) 


1  -0.618034  (tco)  -0.61 8034 (xco)  -(xco) 
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DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


A  Collection  of  Amp  Applications 

Wong 


by  James 

This  note  examines  some  of  the  numerous  and  widely-used 
applications  of  the  operational  amplifier.  While  not  attempting 
to  list  every  possible  application,  it  presents  several  basic  circuit 
configurations  that  can  be  modified  to  suit  applications  other 
than  those  listed.  In  each  case,  significant  op  amp  or  circuit 
characteristics  are  discussed  to  aid  the  user  in  adapting  the 
circuit  to  a  particular  need.  Table  1  provides  an  index  to  the 
applications  contained  in  this  note. 

TABLE  1:  Op  Amp  Circuit  Applications 

Figure  Application  

1  ±200mA  Servo  Motor  Amplifier 

2  Precision  Programmable  Gain  Amplifier 

3  Bilateral  Current  Source 

4  Precision  Current  Pump 

5  High-Sensitivity  Voltage  Comparator 

6  Micropower  5V  Regulator 

7  Micropower  1.23V  Bandgap  Reference 

8  Versatile  Triangular  Wave  Generator 

9  Wide  Range,  Low  Current  Ammeter 

10  Precision  Threshold  Detector/Amplifier 

11  Wide-Dynamic-Range  Light  Detector 

12  Isolation  Amplifier 

13  Dual  Programmable  Window  Comparator 

14  ±36V  Low  Noise  Operational  Amplifier 

15  High  Q  Notch  Filter 

16  Piezoelectric  Transducer  Amplifier 

17  High  Stability  Voltage  Reference 

18  Precision  Dual  Tracking  Voltage  Reference 

19  RIAA  Phono  Pre-Amplifier 

20  Headphone  Amplifier 

21  NAB  Tape  Head  Pre-Amplifier 

22  Microphone  Pre-Amplifier 

23  Micropower  Wien  Bridge  Oscillator 

24  Micropower  Instrumentation  Amplifier 

25  Piecewise-Linear  Amplifier  (Decreasing  Gain 

26  Piecewise-Linear  Amplifier  (Increasing  Gain) 

27  Current  Monitor  Circuit 

28  Free-Running  Square-Wave  Oscillator 

29  Precision  Analog  Multiplier/Divider 

30  Precision  Absolute  Value  Circuit 

31  Thermocouple  Amplifier  with  Cold-Junction 
Compensation 

32  Instrumentation  Amp  (2  Op  Amp  Design) 

33  +200V  Low  Offset  Operational  Amplifier 

34  Impedance  Transforming  Amplifier 

35  Precision  Current  Sinks 

36  Low  Noise  AGC  Amplifier 

37  Amplifier  With  Active  Output  Clipping 

38  Low  Power  Amplifier  With  Squelch 


FIGURE  1:  ±200mA  Servo  Motor  Amplifier 


Rb  sets  the  bias  point  for  transistors  Q1  and  Q2.  Because 
Vbeion)  varies  greatly  with  temperature,  a  guardband  is 
required  to  prevent  Q1  and  Q2  from  conducting  simul- 
taneously. Rb  should  be  selected  such  that  the  transistors  do 
not  conduct  until  lM  equals  the  op  amp  quiescent  supply 
current,  ISy.  The  transistors  will  begin  to  conduct  at  about 
VBE(ON)  =  0.5V. 

In  this  design, 


Rb 


VBE(ON)  

lSY  +  lM  0.0025 


0.5 


0.0025 


ioon 


To  maximize  voltage  swing  across  the  motor,  V1  must  be 
minimized.  If  at  full  load  V1  =  0.2V  with  V+  =  15V  and  VBE1  = 
0.8V,  the  voltage  across  the  motor  will  be: 

VM  =  (V+  -  2)  -  VBE1  -  V1  =  (15-2)  -0.8 -  0.2 
=  12.0V 

V|N  may  be  scaled  with  a  resistive  divider  as: 

V|N  _  R1  +  R2 
V1  R2 

With  R1  =240k(l  and  R2  =  10kJl,  VIN  =  5V  will  produce 
lM  =  200mA. 
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FIGURE  2:  Precision  Programmable  Gain  Amplifier 


DIGITAL  INPUT 


The  digitally  programmable  gain  has  12-bit  accuracy  over  the 
range  of -1  to -1024  and  10-bit  accuracy  to -4096.  The  low  bias 
current  of  theOP-41's  JFET  input  maintains  this  accuracy,  while 
C1  limits  the  noise  voltage  bandwidth  allowing  accurate 
measurement  down  to  microvolt  levels. 


DIGITAL  IN 

GAIN  (Av) 

4095 

-1 .00024 

2048 

-2 

1024 

-A 

512 

-8 

256 

-16 

128 

-32 

64 

-64 

32 

-128 

16 

-256 

8 

-512 

4 

-1024 

2 

-2048 

1 

-4096 

0 

OPEN  LOOP 

FIGURE  3:  Bilateral  Current  Source 


Compliance  is  better  than  ±11 V  at  an  output  current  of  20mA, 
and  the  trimmed  output  resistance  is  typically  2Mfl  with  RL  < 
50011.  For  the  resistorvalues  shown,  the  maximum  V|N  is200mV. 


FIGURE  4:  Precision  Current  Pump 


R4 

lOOkil 


ALL  RESISTORS  ARE  0.1%  OR  RETTER 


Accuracy  of  l0UT  is  improved  by  using  a  noninverting  voltage- 
follower  in  the  feedback  loop.  To  maximize  voltage  compliance 
o{  'out.  R1  should  be  minimized. 


• 


73-50    OPERATIONAL  AMPLIFIERS 


FIGURE  5:  High-Sensitivity  Voltage  Comparator 


This  comparator  circuit  is  capable  of  resolving  a  submicrovolt 
difference  signal.  The  OP-50,  operating  without  feedback, 
drives  a  second  gain  stage  which  generates  a  TTL-compatible 
output  signal.  Schottky-clamp  diodes  prevent  overdriving  of 
the  long-tailed  transistor  pair  and  stop  saturation  of  the  output 
transistor.  Power  supply  voltage  is  set  to  ±5V  to  lower  the 
quiescent  power  dissipation  and  minimize  thermal  feedback 
due  to  output  stage  dissipation.  Operating  from  ±5V  supplies 
also  reduces  the  OP-50  rise  and  fall  times  as  the  output  slews 
over  a  reduced  voltage  range.  This,  in  turn,  reduces  the  output 
response  time. 

It  is  common  practice  with  voltage  comparators  to  ground  one 
input  terminal  and  to  use  a  single-ended  input.  The  historic 
reason  is  poor  common-mode  rejection  on  the  input  stage.  In 


FIGURE  6:  Micropower  5V  Regulator 


contrast,  the  OP-50  has  very  high  common-mode  rejection  and 
is  capable  of  detecting  microvolt  level  differences  in  the 
presence  of  large  common-mode  signals. 

The  comparator  is  not  fast,  but  it  is  very  sensitive  and  can  detect 
signal  differences  as  low  as  0.3ju V.  With  large  input  overdrives, 
the  circuit  responds  in  approximately  3^s.  If  sharp  transitions 
are  needed,  the  use  of  a  TTL  Schmitt-trigger  input  is  recom- 
mended. A  table  of  Response  Time  vs.  Input  Overdrive  is  shown 







INPUT  OVERDRIVE       IQOmV  IQmV    ImV  100MV 


10ju  V 


Positive  Output  Delay  3.2,us  5jus 
Negative  Output  Delay     1.&ys  5/iS 


40ms  340/iS  2.4ms 
50/iS  380/xs  4.5ms 


QUIESCENT  CURRENT  =  50,jA  AT  9V 
LOAD  REGULATION,  0,001%  /  mA 
LINE  REGULATION,  0,01%  /  VOLT 

TEMPERATURE  COEFFICIENT,  40ppm  /°C  {-25UC  TO  +85CC) 


C 

-ocv 


This  5V  regulator  is  ideal  for  instrumentation  requiring  good 
power  efficiency.  Low-power  3-terminal  IC  regulators  typically 
draw  2mA  to  5mA  quiescent  current  compared  to  only  50/^A 
with  this  discrete  implementation.  Maximum  load  current  is 


10mA  as  shown,  and  can  be  increased  by  changing  Q1  to  a 
power  transistor  and  proportionately  increasing  the  set  current 
of  A2. 
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FIGURE  7:  Micropower  1.23V  Bandgap  Reference 


VOUT  =  1  23V  QUIESCENT  CURRENT.  15*A  AT  5V 
0-  5mA  INCREASING  TO  20pA  AT  10V 

OUTPUT  VOLTAGE  TEMPERATURE 
COEFFICIENT  (OVER  0°  TO  70°C). 
20ppm/°C  TYPICAL. 
LINE  REGULATION,  0.01X/VOLT. 
LOAD  REGULATION,  O.OOWmA. 


A  micropower  bandgap  voltage  reference  operating  at  a 
quiescent  current  of  15>jA  may  be  constructed  using  an  OP-22 
and  a  MAT-01  dual  transistor.  The  circuit  provides  a  1.23V 

FIGURE  8:  Versatile  Triangular  Wave  Generator 


reference  with  better  performance  than  micropower  IC  shunt 
regulators  and  has  the  advantages  of  being  a  series  regulator. 


Triangular  waveshapes  of  +  10V  from  100Hz  to  500kHz  are        The  amplitude  of  the  triangle  wave  may  be  adjusted  via  R2  as: 


obtained  with  values  of  R1  from  15Mfl  to  3kfl  as  given  by: 


VP  •  110kn 


R1 


4VP ■ f0  •  C1 


,  Vs  =  6.2V,  VP  =  10V 


R2_  6.2V 
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FIGURE  9:  Wide  Range,  Low  Current  Ammeter 


15V 

o 


INPUT  O 


This  ammeter  can  measure  currents  from  100pA  to  100>A 
without  the  use  of  high  value  resistors.  Accuracy  is  better  than 
1%  over  most  of  the  range,  depending  upon  the  accuracy  of  the 
divider  resistor  and  the  input  bias  current  of  the  op  amp.  Using 
the  OP-41  as  the  input  amplifier  allows  low  end  measurement 
down  to  a  few  pA  due  to  the  5pA  input  bias  current.  Because 
the  voltage  across  the  inputs  of  the  inverting  amplifier  is  forced 
to  virtually  zero,  the  current  meter's  effective  series  voltage  drop 
is  less  than  50fVV  at  any  current  level. 


Calibration  is  simple,  requiring  only  one  adjustment.  R4  is  used 
to  adjust  full  scale  deflection  with  a  VA  input  current.  This  will 
give  maximum  accuracy  over  the  operating  range  of  currents. 

The  low  Vqs  and  exceptionally  good  log  conformance  of  the 
MAT-02  assure  high  accuracy  over  the  full  6  decade  operating 
range. 


FIGURE  10:  Precision  Threshold  Detector/Amplifier 


When  V|N  <  VTH,  the  amplifier  output  swings  negative,  reverse 
biasing  diode  D1.  Therefore  VOUT  =  VTH. 

When  V,N  >  VTH,  the  loop  closes,  and 

VoUT=VTH+(V|N-VTH)(l+M) 

Cc  is  selected  to  smooth  the  loop  response. 


FIGURE  11:  Wide-Dynamic-Range  Light  Detector 


HP5082-4203 


4  oVOUT.0.BV/„W 

I 


This  circuit  produces  an  output  voltage  proportional  to  light 
input  over  a  60dB  range.  The  5pA  input  bias  current  of  the 
OP-41  assures  a  low  output  voltage  offset. 
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FIGURE  12:  Isolation  Amplifier 


1 


I  

1   ISOLATED  INPUT 


GROUNDS  AND  SUPPLIE: 
REFERENCED  TO 
POWER  SUPPLY  2. 


1 


INPUT  VOLTAGE  RANGE:  ±1V 
NONLINEARITY:  <0.5%(OC] 
POWER  BANDWIDTH:  lOOkH* 


-OvOUT 


In  conjunction  with  two  optocouplers,  or  a  dual  optocoupler 
such  as  the  Hewlett-Packard  HCPL-2530,  three  OP-43's  can  be 
combined  to  create  an  isolation  amplifier.  In  this  sort  of  amplifier, 
the  input  and  the  output  operate  on  separate  power  supplies, 
allowing  extremely  high  common-mode  voltages  to  be  dealt 
with.  In  industrial  applications,  an  isolation  amplifier  protects 
instrumentation  from  high  voltages  at  the  sensing  site.  When 
interfacing  with  a  computing  system,  an  isolation  amplifier  will 
protect  the  rest  of  the  system  from  a  sensor  which  accidentally 
becomes  shorted  to  a  high  voltage. 

The  isolation  amplifier  operates  on  the  principle  that  the 
nonlinearities  of  one  optocoupler  will  be  tracked  by  the 
nonlinearities  of  another,  if  they  are  well  matched.  By  using  an 
optocoupler  in  the  feedback  loop  of  A2,  nonlinearities  of  the 
isolating  optocoupler  will  be  cancelled.  V0  will  equal  V|N  plus  an 
offset  created  by  imperfect  matching  between  a  and  b  side 
resistors  and  optocouplers. 


A3  is  an  output  buffer  for  the  isolation  amplifier.  The  low  bias 
current  ensures  that  it  does  not  affect  the  voltage  it  is  amplifying. 
Gain  is  realized  in  this  stage,  and  any  offsets  induced  in  the 
previous  stages  may  be  corrected  by  offsetting  this  op  amp. 
Although  shown  in  the  circuit  as  a  simple  gain  stage,  this  output 
amplifier  may  take  any  form  desired.  It  may  be  configured  as  a 
filter  or  other  waveshaping  circuit  as  needed.  The  only  require- 
ment is  that  the  buffer  not  disturb  the  currents  in  the  optocoupler 
feedback  circuit,  thus  noninverting  amplifier  configurations  are 
preferred.  For  highest  linearity,  the  currents  in  the  two  LEDs 
should  track  as  closely  as  possible. 

With  stable  supplies,  the  circuit  has  excellent  reponse  and 
displays  less  than  0.5%  DC  nonlinearity  with  a  2Vp_p  signal.  The 
high  speed  of  the  OP-43  gives  the  circuit  a  power  bandwidth  of 
100kHz,  while  the  majority  of  the  power  budget  is  consumed  in 
biasing  the  LEDs.  The  dual  optocoupler  provides  isolation 
against  600VDC  common-mode  voltages.  Higher  isolations 
may  be  achieved  using  two  separate  optocouplers,  such  as 
HP's  6N136. 
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FIGURE  13:  Dual  Programmable  Window  Comparator 





- 







Only  three  ICsare  required  to  fully  implement  two  independent 
programmable  window  comparators.  The  quad,  latched,  8-bit 
CMOS  DAC-8408  together  with  the  quad  micropower  OP-420 
provide  digitally-programmable  HIGH  and  LOW  thresholds  to 

FIGURE  14:  ±36V  Low  Noise  Operational  Amplifier 


the  CMP-404,  quad  low-power  comparator.  The  outputs  of  the 
threshold  comparators  are  wire-ORed  with  a  common  pull-up 
resistor  producing  V0UT  =  +V  only  when  VL  <  V]N  <  VH.  Total 
supply  current  for  the  full  circuit  is  less  than  2mA. 


<  4.7kn 


KQ3 

fv.  D45C11 


V,NO- 


22pF 


— 0*36V 


 OvOUT 


H3.  R4=  1/2  WATT 


An  OP-37  provides  a  low-noise  front  end  for  this  amplifier 
which  is  capable  of  delivering  over±200mA  to  a  load  with  a  70V 
peak-to-peak  output  swing^Transistors  01  and  Q2  are  series 
regulators  stepping  down  the  supply  voltage  for  the  OP-37  to 


±15V,  while  transistors  Q3  and  Q4  provide  the  high  current 
output  drive.  R3  and  R4  form  an  output  voltage  gain  stage 
whose  gain,  Av  =  3,  is  reduced  to  unity  at  high  frequencies  by 
C1  to  maintain  stability. 
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FIGURE  15:  High  Q  Notch  Filter 


FIGURE  17:  High  Stability  Voltage  Reference 


0  2nR1Cl 
R1  =  R2  =  2R3 
C1  =  C2  =  C3/2 


The  low  bias  current  and  high  input  impedance  of  the  OP-41 
enable  small  value  capacitors  and  large  resistors  to  be  used  in 
this  60Hz  notch  filter.  The  5pA  bias  current  only  develops  100/jV 
across  R1  and  R2. 


FIGURE  16:  Piezoelectric  Transducer  Amplifier 


.  C2         >  R3 
-  -  O.OIfiF    <  22MS2 


□  transducer 

~y  low  frequency  cutoff  =  r1  c1 


Piezoelectric  transducers  often  require  a  high-input-resistance 
amplifier.  The  OP-41  can  provide  input  resistance  in  the  range 
of  10i2fi,  however,  a  DC  return  for  bias  current  is  needed.  To 
maintain  a  high  R|N,  large  value  resistors  above  22Mfl  are  often 
required.  These  may  not  be  practicable. 

Using  this  circuit,  input  resistances  that  are  orders  of  magnitude 
greater  than  the  values  of  the  DC  return  resistors  can  be 
obtained.  This  is  accomplished  by  bootstrapping  the  resistors 
to  the  output.  With  this  arrangement,  the  lower  cutoff  frequency 
is  determined  more  by  the  RC  product  of  R1  and  C1  that  it  is  by 
resistor  values  and  the  equivalent  capacitance  of  the  transducer. 


1N4579A  .  i- 
6.4V  ±5%  S\ 

±5ppm/°C 


•  [R3 
>6.4 


The  simple  bootstrapped  voltage  reference  provides  a  precise 
10V  virtually  independent  of  changes  in  power  supply  voltage, 
ambient  temperature,  and  output  loading.  Correct  zener  operat- 
ing current  of  exactly  2mA  is  maintained  by  R1,  a  selected 
5ppm/°C  resistor,  connected  to  the  regulated  output.  Accuracy 
is  primarily  determined  by  three  factors:  the  5ppm/°C  temper- 
ature coefficient  of  D1,  1ppm/°C  ratio  tracking  of  R2  and  R3, 
and  operational  amplifier  Vos  errors.  The  OP-77,  with  TCV0s  of 
0.3mV/°C,  contributes  only  0.05ppm/°C  of  output  error,  thus 
effectively  eliminating  TCVos  as  an  error  consideration. 


FIGURE  18.  Precision  Dual  Tracking  Voltage  References 


Precision  dual  tracking  voltage  references  using  a  single 
reference  source  are  easily  constructed  using  OP-10.  These 
references  exhibit  excellent  stability  vs.  temperature/time,  low 
noise,  and  excellent  power  supply  rejection. 

In  the  circuit  shown,  R3  should  be  adjusted  to  set  lREF  to 
operate  VREF  at  its  minimum  temperature  coefficient  current. 
Proper  circuit  start-up  is  assured  by  Rz,  Z1,  and  D1. 


Vzi  <  VR 


V1  =VR 


:(V1-VREF) 


'  0.25  x™ 

■  i 
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FIGURE  19:  RIAA  Phone  Pre-Amplifier 


FIGURE  20:  Headphone  Amplifier 


G  =  1kHz  GAIN 

-o,o,|i*Sl) 

-  98.677  (39.9dBI  AS  SHOWN 


TheOP-27  is  used  in  this  phono  pre-amplifier  circuit  because  of 
its  low  noise  characteristics.  It  contributes  only  3.2nV/\/  Hz 
voltage  noise  and  0.45pA/V  Hz  current  noise  to  the  circuit.  To 
minimize  noise  from  other  sources,  R3  is  set  to  100n.  This 
generates  additional  voltage  noise  of  only  1.3nV/V  Hz  .  With  a 
1kfl  source,  the  circuit  noise  measures  63dB  below  a  1mV 
reference  level,  unweighted,  in  a  20kHz  bandwidth. 

R1,  R2,  C1,  and  C2  form  a  very  accurate  RIAA  network  with 
standard  component  values  providing  the  necessary  time 
constants  of  3180,  318,  and  75MSec.  For  initial  equalization 
accuracy  and  stability,  precision  metal-film  resistors  and  film 
capacitors  of  polystyrene  or  polypropylene  are  recommended 
since  they  have  low  voltage  coefficients,  dissipation  factors, 
and  dielectric  absorption.  (High-K  ceramic  capacitors  should 
be  avoided  here,  though  low-K  ceramics— such  as  NPO  types, 
which  have  excellent  dissipation  factors,  and  somewhat  lower 
dielectric  absorption— can  be  considered  for  small  values.) 

Capacitor  C3  and  resistor  R4  form  a  simple  -6dB-per-octave 
rumble  filter,  with  a  corner  at  22Hz.  As  an  option,  the  switch- 
selected  shunt  capacitor  C4,  a  nonpolarized  electrolytic,  by- 
passes the  low-frequency  rolloff.  Placing  the  rumble  filter's 
high-pass  action  after  the  pre-amp  has  the  desirable  result  of 
discriminating  against  the  RIAA-amplified  low-frequency  noise 
components  and  pickup-produced  low-frequency  disturbances. 

This  circuit  is  capable  of  very  low  distortion  over  its  entire 
range,  generally  below  0.01  %  at  levels  up  to  7Vrms.  At  3V  output 
levels,  it  will  produce  less  than  0.03%  total  harmonic  distortion 
at  frequencies  up  to  20kHz. 


For  low  level  Pre-Amp  Out  signals,  the  amplifier  gain  may  be 
increased  by  reducing  R1  according  to: 

Av  -  1 

Note  that  two  amplifiers  are  required  for  stereo  applications. 
Performance:  (VOUT  =  6VRMS,  R1  =  4kfl) 
T.H.D®  100Hz  =  0.0025% 
@  1kHz  =  0.003% 
@  10kHz  =  0.011% 
Signal-to-Noise  Ratio  >  80dB 
Response  Flatness  =  ±0.4dB  from  10Hz  to  20kHz 
Bandwidth  =  -3dB  @  56kHz 


- 
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FIGURE  21:  NAB  Tape  Head  Pre-Amplifier 
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A  pre-amplifier  for  NAB  tape  playback  is  similar  to  an  RIAA 
phono  pre-amp,  though  more  gain  is  typically  demanded,  along 
with  equalization  requiring  a  heavy  low-frequency  boost. 

The  network  values  of  this  configuration  yield  a  50dB  gain  at 
1kHz,  and  a  DC  gain  greater  than  70dB.  Thus,  the  worst-case 
output  offset  is  just  over  500mV.  The  DC  resistance  of  the  tape 
head  will  add  to  this  a  bias-current-induced  offset  voltage.  To 
minimize  this  contribution,  the  head's  DC  resistance  should  be 
low,  preferably  below  1kfl.  A  single  0.47/jF  output  capacitor  can 
block  the  final  output  offset  without  affecting  the  dynamic  range. 

The  tape  head  can  be  coupled  directly  to  the  amplifier  input, 
since  the  worst-case  bias  current  of  80nA  with  a400mH,  100>in. 
head  (such  as  the  PRB2H7K)  will  not  be  troublesome. 

One  potential  tape  head  problem  is  presented  by  amplifier  bias 
current  transients  at  power-up  or  power-down  which  can 
magnetize  a  head.  Although  the  OP-37  is  free  of  these  bias 
current  transients,  it  is  always  good  design  practice  to  control 
the  speed  of  power  supply  rise  and  fall  to  eliminate  transients. 

FIGURE  23:  Micropower  Wien-Bridge  Oscillator  (Pd  <  500MW) 


FIGURE  22:  Microphone  Pre-Amplifier 


LOW  IMPEDANCE 
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Rl  RZ 
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This  simple,  but  effective,  fixed-gain  transformerless  micro- 
phone pre-amp  amplifies  differential  signals  from  low-imped- 
ance microphones  by  50dB,  and  has  an  input  impedance  of 
2kfl.  Because  of  the  high  working  gain  of  the  circuit,  an  OP-37 
helps  to  preserve  bandwidth,  which  will  be  110kHz.  As  the 
OP-37  is  a  decompensated  device  (minimum  stable  gain  of  5),  a 
dummy  resistor,  Rp,  may  be  necessary,  if  the  microphone  is  to 
be  unplugged.  Otherwise  the  100%  feedback  from  the  open 
input  may  cause  the  amplifier  to  oscillate. 

Common-mode  input-noise  rejection  will  depend  upon  the 
match  of  the  bridge-resistor  ratios.  Either  close-tolerance 
(0.1%)  types  should  be  used,  or  R4  should  be  trimmed  for  best 
CMRR.  All  resistors  should  be  metal-film  types  for  best  stability 
and  low  noise. 

Noise  performance  of  this  circuit  is  limited  more  by  the  input 
resistors  R1  and  R2  than  by  the  op  amp,  as  R1  and  R2  each 
generate  a  4nV/\/  Hz  noise,  while  the  op  amp  generates  a 
3.2nV/\/  Hz  noise.  The  rms  sum  of  these  predominant  noise 
sources  will  be  about  6n  V7  v^Hz~,  equivalent  to  0.9/xV  in  a  20kHz 
noise  bandwidth,  or  nearly  61dB  below  a  1mV  input  signal. 
Measurements  confirm  this  predicted  performance. 


>500ko<,„,;  <1M<! 


500kft  1 


I 


300pF<1Mft  <1M1! 


THD<0.5%ATVOIIT=  3V„^ 


D1.D2-1N914 


Requiring  less  than  60fjA  of  supply  current,  this  micropower 
Wien-b ridge  oscillator  is  ideal  for  battery-powered  instrumenta- 
tion. Output  level  is  controlled  by  nonlinear  elements  D1  and 


D2.  When  adjusted  for  3VP.P  output,  the  distortion  level  is  below 
0.5%  at  1  kHz. 
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FIGURE  24:  Micropower  Instrumentation  Amplifier 
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ALL  RESISTORS  ARE  0.1%  OR  BETTER. 


This  instrumentation  amplifier  requires  only  200/iA  total  qui- 
escent current  (VCM  =  0V)  and  operates  on  single  voltage 
supplies  from  +  1.6V  to +36V.  Input  and  output  voltage  range  is 

FIGURE  25:  Piecewise-Linear  Amplifier  (Decreasing  Gain) 


0V  to  (V+  -  1.5)  volts  with  CMRR  above  100dB.  Differential  gain, 
Av,  is  adjusted  with  a  single  resistor,  RG,  as  given  by: 

„  _800kn 

—^2 
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TRANSFER  FUNCTION 
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This  circuit  is  useful  in  linearizing  a  nonlinear  input  signal  or 
creating  a  nonlinear  output  function  from  a  linear  input.  At 
V0UT  =  0V,  both  D1  and  D2  are  reverse  biased,  and  V0UT/V|N  = 
-R2/R1 .  As  V|N  goes  positive,  Voux  becomes  negative  according 
to  that  gain  until  a  threshold  is  reached,  -(VOUt  +  VFWD)/R4  = 
15V/R3,  where  D1  becomes  forward  biased.  For  more  positive 
values  of  V|N,  the  gain  is: 

Vqut_      (R2-R4)  R2-VfwD 
V,N        (R2  +  R4)R1    (R2  +  R5)V|N 


A  similar  action  occurs  as  V|N  goes  negative.  Beyond  the  point 
where  D2  becomes  forward  biased,  (V0UT  -  VmD)/R5  =  15V/R6, 
the  gain  is: 


Vqut_^  (R2-R5) 

/DO  + 


R2-  V, 


,N         (n^Tna;ni  (R2+ho)V|N 

Additional  diode/ resistor  combinations  can  be  added  to  further 
contour  the  gain. 
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FIGURE  26:  Piecewise-Linear  Amplifier  (Increasing  Gain) 
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As  V,N  goes  negative  beyond  the  threshold, -(V|N  +  VFWD)/R3  = 
15V/R4,  D2  conducts,  and  the  gain  becomes: 

your      R2(R1  +  R3)  WFa 

VIN  (R1  •  R3)        VIN  •  R3 

Additional  diode/resistor  combinations  can  be  added  to  further 
contour  the  gain. 


This  circuit  performs  the  linear-to-nonlinear  or  nonlinear-to- 
linear  transformation  by  increasing  gain  beyond  fixed  thresh- 
olds. At  Vin  =  OV,  both  D1  and  D2  are  reverse  biased,  and 
Vout/vin  =  -R2/R1.  As  V|N  goes  positive  beyond  the  threshold, 
(V|N  -  VFWd)/R5  =  15V/R6,  D1  conducts,  and  the  gain  becomes: 

VquT 

Vin  " 


R2(R1  +  R5)     Vfwd  •  R2 


(R1  •  R5) 


Vin  •  R5 


FIGURE  27:  Current  Monitor  Circuit 


FIGURE  28:  Free-Running  Square-Wave  Oscillator 


This  versatile  monitor  circuit  can  typically  sense  current  at  any 
point  between  the  ±  15V supplies  ( |  V1 1  <  14.3V  guaranteed).  This 
makes  it  ideal  for  sensing  current  in  applications  such  as  full 
bridge  drivers  where  bi-directional  current  is  associated  with 
large  common-mode  voltage  changes.  The  120db  CMRR  of  the 
OP-77  makes  the  amplifier's  contribution  to  common-mode 
error  negligible,  leaving  only  the  error  due  to  the  resistor  ratio 
inequality.  Ideally,  R2/R4  =  R3/R5.  This  is  best  trimmed  via  R4. 
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This  simple  oscillator  creates  a  square-wave  output  of  ±  (Vs  -  2V) 
at  1kHz  for  the  values  shown. 
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FIGURE  29:  Precision  Analog  Multiplier/Divider 
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ALL  RESISTORS  ARE  0.1% 




This  multiplier/divider  achieves  its  excellent  performance  linearity  error  due  the  transistors  is  less  than  ±0.1%.  The  OP-77 
through  the  low  emitter  resistance,  tbe,  and  superior  Vos  helps  maintain  accuracy  with  a  V0s  less  than  25/xV.  For  even 
matching  of  MAT-04  quad  transistor  array.  In  this  circuit,        higher  accuracy  the  offset  voltages  may  be  nulled. 


FIGURE  30:  Precision  Absolute  Value  Amplifier 
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The  high  gain  and  low  TCVbs  assure  accurate  operation  with  appears  as  a  common-mode  signal  to  the  op  amps.  TheOP-77E 
inputs  from  microvolts  to  volts.  In  this  circuit,  the  signal  always        CMRFf  of  V V/V  assures  errors  of  less  than  2ppm. 
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OV0UT 


The  high  gain,  low  noise,  and  low  offset  drift  of  the  OP-77  can  be 
used  to  create  a  thermocouple  amplifier  with  superb  linearity. 
They  combine  to  give  a  total  accuracy  typically  better  than 
±0.5°C. 

Cold-junction  compensation  is  performed  by  R1,  R2,  and  D1 
which  is  mounted  isothermally  with  the  thermocouple  termi- 
nating junctions.  Calibration  is  done  using  R5  after  the  circuit 
has  stabilized  for  about  15  minutes.  A  copper  wire  short  is 
applied  across  the  terminating  junctions  simulating  a  zero  °C 
ice  point.  R5  is  then  adjusted  for  0.000V  output.  The  short  is 
then  removed,  and  the  amplifier  is  ready  for  use. 


This  amplifier  can  be  used  for  type  S,  J,  and  K  thermocouples 
with  the  appropriate  resistor  values  as  shown  below.  R9  is 
chosen  to  give  a  +10.000V  output  for  a  1,000°C  measurement. 


SEEBECK 
TYPE    COEFFICIENT,  a 


R1 


R2 


R7 


R9 


K  39.2MV/°C        110H   5.76kO    102kn  269kn 

J  50.2MV/°C        100n  4.02kn  80.6kn  200kfi 

S  10-3mV/°C  1000   20.5kn   392kn  1.07MO 


FIGURE  32:  Instrumentation  Amplifier  (2  Op  Amp  Design) 


This  differential  amplifier  offers  high  input  impedance  and  a        adjusted  with  respect  toV0uT-This  simultaneously  correctsfor 
power  supply  rejection  ratio  greater  than  100dB.  Because  the        Side  "B"  offset  voltage.  For  the  circuit  values  given,  Av  =  100. 
high  circuit  gain  occurs  in  Side  "B";  Side  "A"  offset  should  be 
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FIGURE  33:  ±200V  Low  Offset  Operational  Amplifier 
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The  OP-77  is  the  heart  of  this  high  voltage  amplifier  designed  to 
drive  piezo  flexture elements  in  precise  positioning  applications. 
The  high  gain  and  low  offset  voltage  of  the  OP-77  produce  an 
accurate,  stable  drive  voltage  to  the  piezo  device  allowing 
predictable,  repeatable  sub-micron  movements  to  be  easily 
controlled. 


The  output  of  the  OP-77  creates  a  proportional  current  drive 
through  the  common-base  connected  Q1  to  the  base  of  Q3.  Q3 
forms  a  Class  A  amplifier  with  bias  resistor  R5,  and  transistor  Q2 
issimplyan  emitter-follower  used  for  output  current  boost.  R6  is 
necessary  to  prevent  oscillation  caused  by  the  capacitive 
loading  of  the  piezo  device  on  the  output  of  the  amplifier. 


FIGURE  34:  Impedance  Transforming  Amplifier 
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This  is  an  efficient,  flexible  circuit  simulating  a  source  imped- 
ance equal  to  the  load  impedance.  By  definition,  if  Rs  =  R[_,  then, 


If  R3/R2=  R./R1,  then  A 


V(LOADED) 


Ay(UNLOADED) 
2 


Ay 


.  Ay(UNLOADED) 

2 


The  unloaded  gain  is  roughly  R3/R2.  When  the  output  is 
loaded,  a  second  feedback  loop  is  closed  whose  gain,  Ay  = 
Ri_/R1,  combines  in  parallel  with  AV(unloaded)  to  give: 


These  approximations  assume  that  R1  <8  R2  and  R2  <S  R3.  The 
OP-50  requires  no  compensation  for  the  circuit  values  shown 
and  can  easily  drive  the  600fi  line. 


Av(LOADED) 


A. 


^(UNLOADED) 


Ay 


Av(UNLOADED)  +  Ay 
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FIGURE  35:  Precision  Current  Sinks 


These  simple  high-current  sinks  require  that  the  load  float  OP-77's  high  gain,  high  CMRR,  and  low  TCV0s  assure  high 
between  the  power  supply  and  the  sink.  In  these  circuits,  accuracy. 


FIGURE  36:  Low  Noise  AGC  Amplifier 
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In  this  circuit,  a  J  FET  transistor  is  used  to  control  the  gain  of  the 
low-noise  OP-27  amplifier  over  a  two-decade  input  voltage 
range.  For  inputs  from  40mV  to  4.1V  peak-to-peak,  the  AGC 
maintains  a  0.2V  peak-to-peak  output. 

Amplifier  A2  performs  an  absolute-value  operation  on  V0UT 
and  sums  the  result  with  a  -0.2V  reference  on  capaciator  C2. 
The  deviation  of  this  sum,  VSM,  from  zero  is  amplified  by  A3  and 
controls  the  gate  of  the  J  FET.  If  the  peak-to-peak  amplitude  of 


VOUT  exceeds  0.2V,  VSM  becomes  positive  and  drives  the  JFET 
gate  negative.  This  increases  the  JFET's  channel  resistance 
lowering  the  gain  of  the  A1.  The  reverse  of  this  occurs  if  V0ut 
falls  below  0.2V  peak-to-peak. 

The  values  of  C1  and  C2  are  chosen  to  optimize  the  circuits 
response  time  for  a  given  input  voltage  frequency.  This  example 
was  designed  for  a  65Hz  signal.  Higher  frequencies  would 
justify  lower  values  for  C1  and  C2  to  speed  the  AGC  response. 
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FIGURE  37:  Amplifier  with  Active  Output  Clipping 


-15V 


Thisconfigurationallowsadjustmentof  the  op  amp'smaximum  of  Q1  becomes  forward  biased,  allowing  collector  current  to 
output  voltage.  Below  the  clipping  levels,  circuit  gain  is  flow  to  the  summing  node,  thusclamping  V0ut-  Asimilaraction 
Av  =  -R2/R1.  As  VOUT  rises  above  (VH  +  1.4V),  the  base/emitter        occurs  as  V0UT  goes  below  (VL  -  1.4V)  and  is  clamped  by  Q2. 


FIGURE  38:  Low  Power  Amplifier  With  Squelch 
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The  OP-421  is  the  heart  of  this  variable  squelch  amplifier  which 
requires  less  than  2mA  of  supply  current  (RL  =  »).  A1  provides  a 
high  impedance  input  amplifier  with  Av  =  1  +  R2/R1.  Its  output 
drives  a  unity  gain  output  buffer,  A4,  and  a  peak  detector  with  a 
time  constant  set  by  C1  and  R5.  When  the  output  of  the  peak 


detector,  Vp,  exceeds  the  adjustable  threshold,  VTH,  the  com- 
parator, A3,  drives  the  gate  of  the  P-channel  FET  high,  turning  it 
OFF.  At  lower  input  signal  levels,  VP  falls  below  VTH,  and  the  FET 
turns  ON,  clamping  the  input  of  A4  to  ground. 
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4  DEVICES 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NO 


APPLICATION  NOTE 

MASSACHUSETTS  02062-9106  •  617/329-4700 


INTRODUCTION 

This  Application  Note  consists  of  a  collection  of  circuits 
which  use  buffer  amplifiers  in  a  variety  of  applications.  As  will 
be  shown,  buffers  may  be  used  to  make  filters,  current 
sources,  cable  drivers,  sample  and  holds,  line  drivers  for 
multiplexers,  current  boosters,  and  high  speed  voltage 
output  DACs. 

INDUCTORS  AND  FILTERS 

The  active  inductor  in  Figure  1  is  realized  with  an  eight-lead 
IC,  two  carbon  resistors,  and  a  small  capacitor.  A  commer- 
cial inductor  of  50  henries  may  occupy  up  to  five  cubic  inches. 


L  3  R1R2C  =  100  HENRIES 
RS  =  R2  =  100s; 
RP  =  R,  -  ioms; 


ASSUMING  CSTRAY  IACROSS  R,)  OF  5pF  THE  UPPER 
FREQUENCY  LIMIT  IS  APPROXIMATELY  7kHz. 
XL  =  lOOt:  AT  f  =  0.159Hz 


Figure  1.  Active  Inductor 

The  tuned  circuit  shown  in  Figure  2  uses  the  simulated  in- 
ductor of  Figure  1  (R,,  R2,  C,)  and  C2.  Depending  upon 
whether  the  circuit  is  driven  at  or  E2  the  responses  of 
Figures  3  or  4  result.  The  resonant  response  in  both  cases  is 


"2 


;ri 

>■  2.4MS! 


2»  yRiRicjci  2 

INPUTS  MAY  BE  AT  Ei  OR  E2.  GRAPHS  OF  THE  TWO 
RESPONSES  WILL  SHOW  ADVANTAGES  AND  DISADVANTAGES. 


Figure  2.  Tuned  Circuit 

+  38dB  at  103Hz.  The  Figure  3  response  is  +  2.5dB  at  200Hz 
and  -10dB  at  50Hz.  On  the  other  hand,  the  Figure  4 
response  is  -  9dB  at  200Hz  and  +  2.5dB  at  50Hz. 
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RESPONSE  FROM 
.  E1  TO  VOUT 
R1  =  2.4  MEG:; 
R2  =  10011 
Ci  =  lOOnF 
C2  =  lOOnF 
f0  -  103Hz 


1  -  u2riR2CiC2  +  iuR2Ci  (l  +  | 

Figure  3.  Response  from  Ei  to  Vqut 


RESPONSE  FROM 
E2  TO  VOUT 
Rl  =  2.4  MEGn 
R2  =  lOOil 
Ci  =  lOOnF 
C2  =  lOOnF 
f0  =  103Hz 


"  0 


Figure  4.  Res| 


„2RlR2CiC2  +  wR2Cl(lt|^) 


from  E2to  Vol 


out 


Figure  5  shows  a  low  pass  filter  realized  for  f0  of  1MHz. 
What  is  remarkable  about  this  filter  is  most  ICs  do  not  have 
the  full  power  bandwidth  to  handle  1MHz  signals  in  the  5  to 
10  Volt  range,  while  the  BUF-03  has  a  greater  than  4MHz  full 
power  bandwidth  for  a  20VP.P  sinewave.  Similar  comments 
apply  to  the  filter  in  Figure  6.  In  other  words,  the  outstanding 
bandwidth  of  the  BUF-03  extends  the  bandwidth  capability  of 
certain  classes  of  active  filters. 
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Figure  5.  Low  Pass  Filter  (High  Frequency) 
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Figure  6.  High  Pass  Filter  (High  Frequency) 

The  BUF-03  can  be  used  to  make  a4.5MHz  trap  for  use  in  TV. 
This  circuit  is  shown  in  Figure  7,  and  the  elements  are 
chosen  such  that  no  capacitor  is  less  than  100pF. 


2.R1C1 
R1  =  R2  =  2R3 


Figure  7.  Notch  Filter  at  4.5MHz 





+15V 
?  0.1,F 


VOUT 

O 


NOTE  1:     STRAY  CAPACITANCE  AT  MULTIPLEXER  OUTPUT 
NODE  SHOULD  BE  MINIMIZED  TO  REDUCE 

NOTE,     ^4=^  .EW  RATE  IS  TOO  SMALL  WILL 
INCREASE  CHANNEL-TO-CHANNEL  CROSSTALK. 


Figure  8.  High  Speed  Line  Driver  for  Multiplexers 


The  BUF-03  can  be  used  as  a  data  line  driver  because  of  its 
speed  and  current  drive  capabilities.  The  connection  for  this 
application  is  shown  in  Figure  8.  The  realization  of  a  high 
speed  sample  and  hold  is  possible  using  the  BUF-03  and 
suitable  analog  switches.  The  circuit  shown  in  Figure  9 
provides  the  highest  speed  because  there  are  no  feedback 
loops  to  slow  down  the  settling  times.  Typically  the  sample 
and  hold  is  followed  by  a  successive  approximation  analog- 
to-digital  converter  (ADC).  The  final  application  involves  the 
BUF-03  and  the  DAC-08  (digital-to-analog  converter).  Figure 
10  shows  how  it  is  possible  to  develop  both  Vout  and"V"ouT- 
The  output  capacitance  of  the  DAC-08  is  approximately 
15pF,  thus  as  R0  increases  in  value,  so  does  the  settling  time 
for  Vqut  (and"V0uT). 


'CHARGE  OF  BUF-03  IS  ±60mA.  THEREFORE  THE  SLEW 
RATE  INTO  A  500pF  HOLD  CAPACITOR  WILL  BE  120V//U. 
THUS  THE  SLEW  RATE  OF  THE  SAMPLE-AND-HOLD 
CIRCUIT  IS  LIMITED  BY  THE  CAPACITOR  CHARGING  TIME. 


Figure  9.  High  Speed  Sample  and  Hold 


ITT 


B1  B2  B3  B4  B5  B6  B7  B8 


SYSTEM  WILL  DRIVE  CABLES  OR  TWISTED  PAIRS. 


'OUT  R0 

►  R0 

1/2  LSB  SETTLING  TIME 
^  100ns 


Figure  10.  High  Speed  Voltage  Output  DAC 
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LINE  DRIVER  APPLICATIONS 

If  your  FET  "line  driver"  has  the  speed  but  not  the  stability  or 
the  current  capability  to  drive  coaxial  cables,  its  output  may 
be  buffered  with  a  BUF-03  as  shown  in  Figure  11.  Figure  12 
shows  an  alternative  connection  when  better  accuracy  and 
high  current  capability  is  needed.  Note  that  the  limitation  on 
FtL  being  greater  than  1kfl  does  not  apply  in  this  case  since 
the  added  error  caused  by  lower  impedances  is  imbedded 
inside  the  feedback  loop  of  the  op  amp. 


+15V 


CAPACITIVE  LOAD  STABILITY  OF  BUF-03  MAKES  IT 
AN  IDEAL  INTERFACE  BETWEEN  JFET  OP  AMPS 
AND  SHIELDED  CABLES. 

NOTE:    TO  MAINTAIN  ACCURACY  IN  THE  BUFFER 
RL  >  Ikfi  IS  RECOMMENDED. 


Figure  11.  Convert  FET  Op  Amp  Into  Cable  Driver 


MAXIMUM  LOAD  CURRENT  =  ±50mA  (10V  -f  20011) 


Figure  12.  Current  Booster 


MISCELLANEOUS  USES  OF  BUFFERS 

Single  supply  applications  can  be  realized  using  the  BUF-03 
as  shown  in  Figure  13.  The  input  is  DC  biased  to  +10V  such 
that  the  BUF-03  operates  in  the  linear  region.  Signal  is  AC 
coupled  to  the  input  and  also  AC  coupled  to  the  output 
load  resistor. 


+20V 

a 

0.22»F 


THEN  FULL  POWER  BANDWIDTH  IS: 


9.55MH1  FOR  BUF-03 


Figure  13.  Single  Supply  AC  Buffer  (High  Speed) 
CONCLUSION 

While  the  list  is  by  no  means  all  inclusive,  this  application 
note  has  attempted  to  point  out  some  of  the  myriad  of  uses 
for  the  IC  buffer.  In  particular,  the  BUF-03  makes  possible  a 
whole  new  class  of  high  frequency  filters  and  high  speed 
current  sources.  Many  problems  in  data  acquisition  systems 
can  be  solved  by  the  use  of  buffers.  In  addition,  the  BUF-03 
is  useful  in  providing  increased  drive  current,  as  well  as  the 
ability  to  drive  long  cables  without  instability.  Finally,  the 
versatility  of  the  reference  zener  can  be  increased  by  using 
buffers,  and  for  AC  applications  the  buffer  can  be  used  on 
single  power  supplies. 
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APPLICATION  NOTE 
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Applying  the  OP-06  Op  Amp  As  a  High  Precision  Comparator 


INTRODUCTION 

The  Analog  Devices  OP-06  op  amp  makes  an  excellent  com 
parator.  In  fact,  for  submillivolt  signals,  there  is  simply  no 
comparator  that  performs  as  well.  Using  an  external  nulling 
potentiometer,  the  offset  drift  is  typically  0.6uV/"C.  With  its  high 
open  loop  gain  to  1  million,  only  30uV  is  required  at  the  input  to 
drive  the  output  from  one  saturation  level  to  the  other.  A  50"C 
change  in  temperature  produces  a  30uV  change  in  Vos;  thus  a 
total  error  band  of  1 OOuV  including  temperature  effects  is  quite 
conservative.  This  performance  is  an  order  of  magnitude  better 
than  other  comparators.  1 0Ou. V  sensitivity  is  nice  to  have  in  1 2- 
bit  A/D  converters,  but  it  is  essential  in  1 4-bit  converters.  Where 
preamplifiers  are  typically  needed  with  thermocouples  and  strain 
guages,  the  OP-06's  sensitivity  allowsd/'rec(  comparison  of  these 
low-level  outputs.  As  a  result  system  costs  decrease,  and  re- 


LOW-LEVEL  PERFORMANCE  MEASUREMENTS 

The  low-level  capabilities  of  the  OP06  comparator  are  graphi- 
cally illustrated  in  Figures  1  and  2  using  the  test  circuit 
below.  Comparator  voltage  input,  applied  through  a  100  to  1 
attenuator,  is  100juVp.p  in  Figure  1  and  40mVp_p  in  Figure  2. 
Note  that  the  op  amp  output  still  reaches  both  positive  and 
negative  saturation. 


-  - 

•DECOUPLING  COMPONENTS  NECESSARY  TO 
PREVENT  SPURIOUS  OSCILLATION 

PROCEDURE: 

1.  REDUCE  E  TO  ZERO  VOLTS 


2N3904 

-        4N.C.4V,         -  - 


2.  ADJUST  RT  TO  BRING  V,  INTO  LINEAR  RANGE  (USE  SCOPE) 

3.  APPLY  E  THAT  IS  SYMMETRICAL  ABOUT  GROUND.  IE  J— tt| 

4.  MEASURE  V,  AND  V2  WITH  SCOPE 


Figure  1.  100/jVp.p  Sine  Wave  Response  (Rs:  100!!) 


E:  5mV/DIV 


Figure  2 


COMPARATOR  RESPONSE  TIME 

While  most  comparators  are  specified  for  2mV  to  5mV  over- 
drive, the  OP06  operates  very  reliably  with  only  0.5mV  over- 
drive. Figures  3  and  4  show  the  response  times  for  both 
positive  going  and  negative  going  inputs  with  500mV  and 
5mV  overdrives  as  measured  at  the  logic  output. 


1=1 

■Ml 

■msa 

-■  -*• 

■■■■ 

iii 

■ 

5mV 

■■■■ 

OD 

iinJMII 

i 

FfiBsn 

OV 

E  (FOR 
50D„V  OD): 
50mV/OIV 


V2:  5V/DIV 
5CMVV  OO 


Figure  3.  Positive  Going  Response  Time  (SmV  and  500 /uV 
Overdrives) 
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Figure  4.  Negative  Going  Response  Time  (5mV  and  500/iV 
Overdrives) 


OP06  DYNAMIC  PERFORMANCE  CHARACTERISTICS 

There  is  another  factor  which  has  a  significant  effect  on  slew 
rates  —  the  way  in  which  the  AC  gain  is  rolled  off  versus 
frequency.  If  we  refer  to  Figure  7  we  see  gain  compensation 
curves  for  closed  loop  gains  from  1  to  10,000.  Figure  8  relates 
the  slew  rate  to  these  frequency  response  curves.  These 
curves  point  out  one  of  the  tradeoffs  between  good  op  amp 
performance  and  good  comparator  performance.  For  exam- 
ple, if  an  OP06  has  a  gain  compensation  for  Av=  10,  then  its  slew 
rate  would  be  0.08V/^s.  This  would  result  in  a  rise  time  (20 
volt  swing)  of  250/iS.  The  fact  that  a  designer  needs  no 
compensation  with  the  OP06  —  when  operated  as  a  compara- 
tor —  allows  the  rise  times  observed  in  Figures  5  and  6. 


OP  AMP  RESPONSE  TIME 

Primarily,  the  very  high  open  loop  gain  I  Avoi  of  the  OP06  — 
over  one  million  —  is  responsible  for  its  success  as  a  com- 
parator. The  DC  gain,  as  specified  on  op  amp  data  sheets,  is 
important  for  comparison  sensitivity  (VDET).  However,  it  is 
the  shape  of  the  gain  curve  with  frequency  that  dictates  how 
fast  the  op  amp  will  switch  as  it  passes  through  its  linear 
region.  When  operated  as  a  comparator  the  OP06  spends  most 
of  its  time  in  either  positive  or  negative  saturation  (see  Fig- 
ures 5  and  6).  Saturation  effects  are  discussed  later;  but  for 
now  notice  the  difference  in  slew  rates  for  the  overdrive 
levels. 


Figure  5.  ™*£Go.ng  Op  Amp  Response  Time  vs 


as 

nSi 

E  (FOR 
500UV  ODI 


V,:  10V/DIV 
500JJ  VOD 


Figure  6.  Negative  Going  Op  Amp  Response  Time  vs 
Overdrive 


C1  =  50pF,  R1  =  10W2 


CI  =  0.05fjF,  R1  =  27n- 
C2  =  O.OOISpF.  R2  =  27011 


^10        100         «         10k       100k       1M  10M 
FREQUENCY  (Hi) 





Figure  7.  Open  Loop  Response  lor  Values  of  Compensation 


Vs  -  J 15V 
-4  Ta  =  25  "C 


102  103  1  04  1  01 

CLOSED  LOOP  GAIN  (V/V) 


Figure  8.  Slew  Rate  Using  Recommended  Compensation 
Networks 

■ 

COMPARATOR,  OP  AMP  SIMILARITIES 

In  an  op  amp,  the  offset  voltage  is  that  voltage  which  must  be 
applied  to  the  input  to  drive  the  output  to  zero  volts.  In  a 
comparator  this  definition  is  modified  to  a  specified  voltage 
range  at  the  output.  In  ths  way  the  required  voltage  "window" 
includes  the  normal  offset  voltage  of  op  amps  and  the  signal 
voltage  needed  to  move  the  output  by  some  AV.  Since  most 
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op  amps  operate  in  ±  15  volt  systems,  an  output  voltage  range 
of  ±15  volts  (or  a  -W  of  30  volts)  has  been  chosen.  Using  this 
range  assures  saturation  at  both  the  positive  and  negative 
extremes  (-14  volts  and  +12  volts  for  the  OP06).  Low  offset 
voltage  and  high  gain  combine  to  produce  the  comparator 
"detector  window." 

OTHER  FACTORS  AFFECTING  SPEED 

To  gain  further  insight  into  the  relation  between  overdrive 
and  the  various  switching  times,  the  graph  in  Figure  9  was 
generated  from  measurements  on  the  OP06  "comparator."  To 
further  characterize  the  OP06  performance,  delay  times  were 
measured  versus  source  resistance  (Rs)  with  a  fixed  5mV 
overdrive.  This  curve  is  shown  in  Figure  10.  Since  the  rise 
and  fall  times  were  essentially  constant  with  Rs  variations, 
they  were  not  plotted.  The  delay  times  are  the  main  contribu- 
tors to  total  comparator  response  time.  Since  the  OP06  was  not 
designed  as  a  comparator,  individual  gain  stages  will  go  into 
saturation  when  the  output  voltage  is  driven  to  one  of  its 
limits.  One  of  the  differences  between  designing  op  amps 
and  comparators  is  the  addition  of  clamp  diodes  to  prevent 
the  above  mentioned  saturation. 
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Figure  9.  Rise,  Fall  and  Delay  Times  vs  Overdrive  Signal 
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Figure  10.  Delay  Times  vs  Source  Resistance  (Rs) 


NOISE  AND  POWER  SUPPLY  REJECTION 

When  dealing  with  sub-millivolt  signals,  noise  referred  to  the 
comparator  input  becomes  an  important  factor.  Basically 
the  noise  comes  from  two  sources: 

1)  Normal  input  noise  of  an  op  amp; 

2)  Noise  induced  by  power  supply  ripple. 

Figure  11  shows  the  wideband  noise-on  an  RMS  basis-vs 
system  bandwidth.  What  is  more  important  is  the  RMS  to 
peak  conversion  factor.  Table  I  shows  the  crest  factors  for 
gaussian  noise.  Note  in  particular  that  the  crest  factor  is  less 
than  four  99.99%  of  the  time,  and  less  than  five  99.9999%  of  the 
time.  Thus  the  RMS  noise  is  1  /iV  for  10kHz  bandwidth  and 
this  yields  a  "worst  case"  of  5^V  peak  or  10juV  peak-to-peak 


Figure  11.  Input  Wideband  Noise  vs  Bandwidth 


Table  1.  Crest  Factors  for  Gaussian  Noise  (1) 


%  OF 
TIME  PEAK 
IS  EXCEEDED 

PEAK 
RMS 

PEAK  FACTOR  IN 
dB  =  20.og10PREAK 

10.0 

1.645 

4.32 

1.0 

2.576 

8.22 

0.1 

3.291 

10.35 

0.01 

3.890 

11.80 

0.001 

4.417 

12.90 

0.0001 

4.892 

13.79 

The  other  source  of  noise  comes  from  the  power  supplies. 
Looking  at  Figure  12  note  that  the  power  supply  rejection 
ratio  ( PSRR )  is  1 1 5dB  ( 1 ,8/iV/V )  out  to  300Hz.  For  example  a 
power  supply  which  had  1  volt  (peak-to-peak)  ripple  would 
only  produce  1.8^V  peak-to-peak  "noise."  Thus  it  becomes 
obvious  that  the  total  noise  performance  of  the  OP06  is 
indeed  outstanding. 
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(T)C1  -  O.OOVF.  B1  =  470«  FROM  PIN  5  TO  V- 
®  CI  =  O.lfjF.  Rl  =  Sil  TO  V- 
©Cl  =  0  OOVF,  R1  =  47011  FROM  PIN  5  TO  GNO 
0C1  =  0.05(.F.  Rl  =  ion.  C2  •  0.02iiF,  R2  =  39S1  TO  V- 
©Cl  =  0.05^F,  Rl  =  1011.  C2  -  0.02fiF.  R2  =  39SI  TO  GNO 


CONCLUSION 

The  combination  of  ±30V  input  overvoltage  protection,  gain 
of  1  million,  low  noise,  low  drift  and  external  compensation 
allow  operation  of  the  OP06  op  amp  as  a  low-level  compara- 
tor. Low-level  performance  is  unsurpassed  by  any  presently 
available  comparator. 
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Figure  12.  PSRR  vs  Frequency 
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Two-Wire,  4-20  mA  Current  Transmitter 

by  James  Wong 


This  two-wire  current  transmitter  provides  an  output  of  4mA 
to  20mA  that  is  proportional  to  an  input  voltage  V!N  plus  an 
offset.  Current  loops  are  particularly  useful  in  process  control 
systems  where  remote  analog  signal  conditioners  must  be 
interfaced  to  a  central  location.  The  loop  can  be  powered  by 
an  inexpensive,  unregulated  DC  voltage.  The  low  supply  cur- 
rent needs  of  the  OP-22  programmable  op  amp  and  REF-02 
bandgap  reference  allow  for  "floating"  operation.  The  trans- 
mitter circuit  uses  less  than  2m  A  and  can  therefore  supply  up 
to  2mA  at  5V  as  a  transducer  reference  or  bridge  supply 
without  exceeding  the  minimum  loop  current  of  4mA.  The 
OP-22  and  REF-02  can  be  operated  over  a  wide  supply  range. 
With  a  load  resistor  RLof  50£1  and  a  sense  resistor  Rsof  10011, 
the  maximum  voltage  from  Ground  to  Signal  Common  is  15011 
X  20mA,  or  3V.  The  REF-02  minimum  limit  is  7V,  therefore  Vs 
needs  to  be  above  10V. 

The  OP-22  regulates  the  output  l0  to  satisfy  the  current  sum- 
mation at  the  noninverting  mode: 


VlN  ,  5V 
P.1  R2 


IqRs 

^3 


=  0 


R>  +  -fe5\ 


As  a  design  example,  consider  a  system  need  for: 
16VIN 


It 


ioon 


-  +  4mA 


This  would  provide  an  output  span  of  4mA  to  20mA  for  an 
input  range  of  zero  to  100mV.  This  requires  a  ratio  of  16  for 
R3/R1,  and  a  ratio  of  0.08  for  R3/R2.  Choosing  R-i  to  be  5kn, 
then  we  need  R3  =  80k!l  and  R2  =  1Mn.  Drift  due  to  input  bias 
current  of  the  OP-22  can  be  minimized  by  making  R4equal  to 
the  parallel  combination  of  R-,,  R2,  and  R3. 

Designing  for  other  input  ranges  or  other  values  of  Rsand  RL 
is  straightforward.  The  sense  resistor  Rs  does  have  an  upper 
limit  that  is  not  obvious;  the  voltage  drop  across  R sat  turn-on 
can  pull  the  OP-22  noninverting  input  negative  relative  to  its  1 
own  negative  supply  rail.  This  can  cause  the  OP-22  op  amp 
output  to  go  for  the  positive  limit  which  drives  Q1  into  satura- 
tion and  a  possible  latching  condition.  This  is  prevented  by 
limiting  the  negative  voltage  at  the  noninverting  input  or  by 
limiting  the  maximum  drop  across  Rs. 

This  current  transmitter  has  excellent  linearity,  operates  well 
with  very  low  supply  currents,  and  is  easily  adaptable  to  a 
wide  range  of  input  signal  levels. 


10V<Vc<+36V 


4mA  «:  ln  <  20mA 
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A  Micropower  Single-Supply  Precision  Rectifier 

by  James  Wong 


This  precision  full-wave  rectifier  circuit  accepts  AC  inputs  of 
up  to  ±3V,  yet  operates  from  a  single  +5V  supply  voltage. 
Quiescent  supply  drain  is  only  320>A.  Rectifier  gain  is  unity 
with  the  gain  accuracy  almost  entirely  dependent  on  the 
match  between  resistors  2Rj  and  2Rj.  Frequency  range  is 
approximately  DC  to  2kHz.  The  single  supply  operation  at 
very  low,  quiescent  current  drain  makes  this  circuit  particu- 
larly useful  for  battery-powered  equipment. 

For  positive  input  voltage  (V|N  >  0),  A1  will  drive  Q1  and  D2  to 
make  the  output  voltage  V0  equal  to  the  input  voltage.  Output 
swing  at  V0  is  approximately  three  diode  drops  below  the 
supply  voltage,  thus  the  peak  output  voltage  is  near  +3V. 
Amplifier  A2  output  goes  to  negative  saturation,  which  is 
approximately  +0.8V,  and  Q2  will  therefore  be  back-biased 
and  OFF. 

For  negative  input  voltage  (V|N  <  0),  A1  output  goes  into 
negative  saturation  and  Q1  is  thereby  gated  OFF.  Amplifier  A2 
will  serve  as  a  unity-gain  inverter.  Since  V0  will  be  equal  to  V!N 
in  magnitude,  but  opposite  in  polarity,  V0  will  be  equal  to  the 
absolute  value  of  V!N. 


Quiescent  current  drain  is  determined  by  the  set  current  Iset- 
With  a  5V  supply  the  set  current  will  be  3.7V/RSET.  Slew  rate 
and  bandwidth  vary  directly  with  the  set  current.  Amplifier 
A1  essentially  operates  with  unity-gain  feedback,  while  A2 
operates  with  a  feedback  gain  of  0.5.  The  closed-loop  gain- 
bandwidth  is  therefore  made  equal,  and  the  frequency  re- 
sponse symmetrical,  by  making  the  set  current  of  A2  twice 
that  of  A1.  Amplifier  A2  has  a  set  current  of  3.7V/200k,  which  is 
18.5/nA,  and  amplifier  A1  has  a  set  current  of  3.7V/390k,  which 
is  9.5jiA.  These  set  currents  will  result  in  quiescent  currents  of 
100,uA  for  amplifier  A1  and  220/^A  for  amplifier  A2. 

The  OP-22  input  stage  is  a  PNP  Darlington,  thus  a  negative 
input  voltage  can  forward  bias  the  collector-base  junction  of 
the  input  transistor.  This  potential  problem  is  prevented  by 
adding  resistor  R1  and  diode  D1  at  the  A1  input  to  limit  the 
negative  input  voltage. 

This  simple  circuit  provides  precise,  unity-gain  rectification  of 
AC  signals  of  up  to  ±3V  in  the  frequency  range  of  DC  to  2kHz. 
It  operates  from  a  single  +5V  supply  voltage  with  quiescent 
current  drain  of  only  320fiA. 


+5V 
O 
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High  Speed  Precision  Rectifier 

by  James  Wong 


The  low  offsets  and  excellent  load  driving  capability  of  the 
OP-27  are  key  advantages  in  this  precision  rectifier  circuit. 
The  summing  impedances  can  be  as  low  as  1  Kfi  which  helps 
to  reduce  the  effects  of  stray  capacitance. 

For  positive  inputs,  D2  conducts  and  D1  is  biased  OFF.  Ampli- 
fiers A1  and  A2  act  as  a  follower  with  output-to-input  feedback 
and  the  R1  resistors  are  not  critical.  For  negative  inputs,  D1 
conducts  and  D2  is  biased  OFF.  A1  acts  as  a  follower  and  A2 
serves  as  a  precision  inverter.  In  this  mode,  matching  of  the 
two  Ft,  resistors  is  critical  to  gain  accuracy. 


Typical  component  values  are  30pF  for  Ct  and  2kfifor  R3.  The 
drop  across  D1  must  be  less  than  the  drop  across  the  FET 
diode  D2.  A  1N914  for  D1  and  a  2N4393  for  the  JFET  were 
used  successfully. 

The  circuit  provides  full-wave  rectification  for  inputs  of  up  to 
±10V  and  up  to  20kHz  in  frequency.  To  assure  frequency 
stability,  be  sure  to  decouple  the  power  supply  inputs  and 
minimize  any  capacitive  loading.  An  OP-227,  which  is  two 
OP-27  amplifiers  in  a  single  package,  can  be  used  to  improve 
packaging  density. 
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Single-Supply  Wien  Bridge  Oscillator 

by  James  Wong 


Wien  bridge  oscillators  have  the  advantage  of  requiring  only 
one  op  amp,  and  this  advantage  is  particularly  important  for 
battery-operated  applications.  This  oscillator  circuit  operates 
from  a  single  9V  battery. 


The  conditions  for  Wien  bridge  oscillation  are 


1  -  R,  R2  Ct  C2  w02  =  0  and 


R2  Ci 


R 1  Ci  +  R2  C2  +  R2  C 1 


where  /3  is  the  ratio  of  output  voltage  feedback  to  the  inverting 
input.  If  R,  =  R2and  C^  =  C2,  then  w0  is  1/RC  and  j}  is  1/3. 

This  oscillator  should  be  set  to  just  diverge  in  amplitude. 
Diodes  are  used  to  obtain  a  nonlinear  feedback  characteristic 
which  will  limit  the  divergence  without  causing  too  much 
distortion.  The  condition  for  oscillation  is 


R3-f  2  (R5+  R4') 


ir..  R4 


:  Parallel  combination 
of  R4  and  diodes 


As  a  design  example,  consider 

Ct  =  C2  =  0.01fiF  R4=10kI2 

R-,  =  15.8kil  R5  =  40kn  nominally 

2R2  =  31.8  Diodes  =  1N914  or  1N4148 

R3  =  50kX!  Rs=1lvin 

Using  these  component  values,  f0  will  be  1004Hz.  Resistor  R5 
must  be  adjusted  for  best  amplitude  stability.  If  R5  is  too  low, 
the  oscillation  might  converge;  if  too  large,  then  the  oscillation 
will  diverge  until  the  output  clips.  An  oscillation  output  of  6V 
peak-to-peak  when  operating  from  a  9V  battery  is  recom- 
mended. Resistor  R5  needs  to  be  a  nominal  40kil  with  a 
±2.5k!l  adjustment  range. 

The  OP-22  is  operated  with  a  1  Mi!  set  resistor  for  a  set  current 
of  7.8juA  which  corresponds  to  a  supply  current  of  approxi- 
mately 100/jA.  Gain-bandwidth  product  and  slew-rate  vary 
directly  with  the  set  current,  so  Rsshould  be  optimized  for  the 
specific  oscillation  frequency.  Supply  drain  can  be  reduced 
for  lower  frequencies.  The  OP-22  works  well  for  frequencies 
in  the  range  of  100Hz  to  1  kHz;  the  OP-27  is  recommended  for 
higher  frequencies. 


ov0 


VR1  R2  Ci  C2 
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Single  Resistor  Controls  Wien  Bridge  Oscillator  Frequency 

By  James  Wong 


Frequency  control  can  be  added  to  the  conventional  Wien 
bridge  circuit  by  adding  an  op  amp  inverter  (A1  in  the 
diagram).  The  low  power  OP-221  dual  works  well  in  this 
circuit.  Center  frequency  w0  is  I/RtC,  multiplied  by  a  vari- 
able term  1/ya.  The  inverter  gain  is  1/a,  where  a  is  nom- 
inally unity. 


The  center  frequency  is  given  by 

This  circuit  adds  tuning  capability  to  the  Wien  bridge 
oscillator  circuit. 


IN4148S 


A1.A2: 1/2  OP-221 
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Precision  Ramp  Generator 

by  James  Wong 


Precision  ramps  with  well-controlled  repetition  rate  and 
amplitude  are  generated  by  this  circuit.  Repetition  rate  is 
controlled  by  a  DC  input  voltage  (V,).  This  circuit  can  also  be 
used  as  a  simple  voltage-to-frequency  converter  over  a 
limited  input  range. 

Just  after  resetting,  the  A1  op  amp  generates  a  negative  ramp 
with  a  slope  proportional  to  \%,  which  is  (V,  -  VD2)/Ri.  The 
slope  is -Cm  dVR/dtand  the  A2  output  is  sitting  at  the  positive 
limit.  When  the  A1  output  reaches -10V,  the  output  of  A2  flips 
to  the  negative  limit.  This  transition  is  given  regenerative 
action  through  capacitor  C2.  The  negative  pulse  from  A2 
discharges  C,  through  diode  D3  and  drives  it  positive  until 
diode  D1  conducts.  Since  D2  sets  the  A1  inputs  to  -0.6V  and 
D1  has  an  equal  drop  when  it  conducts,  the  integrator  will  be 
reset  to  zero  volts.  After  the  integrator  reaches  zero  volts  and 
C2  has  discharged,  amplifier  A2  flips  back  to  positive  satura- 
tion and  D3  is  again  back-biased.  A  key  feature  of  this  circuit 
is  the  amplitude  stability;  the  REF-01  output  of  +10V  is  very 
stable  and  the  reset  zero  is  temperature  compensated  by  the 
matching  of  D1  and  D2.  Thus  the  ramp  amplitude  of  10V  is 


very  accurate  and  stable  over  a  wide  range  of  operating 
conditions. 

Exact  circuit  values  and  op  amp  choices  depend  on  the 
desired  operating  range.  For  a  range  of  10Hz  to  1kHz,  the 
OP-215  can  be  used  with  the  following  values: 

R1  =  1Mn 
C,  =  1200pF 
R2=  10M1 
R3=  2.0kl! 
C2=  200pF 

With  these  component  values  and  using  the  OP-215  dual,  we 
will  have  a  reset  time  interval  of  approximately  5^is.  The 
minimum  ramp  interval,  assuming  a  maximum  input  voltage 
of  11.4V  and  0.6V  diode  drop,  is  1200pF  X  10V/12,uA  =  1msec 
which  corresponds  to  a  1  kHz  repetition  rate.  The  ramp  ampli- 
tude of  zero  to  -10V  is  very  accurate  and  stable  over  a  range  of 
10Hz  to  1kHz.  The  output  of  A2  is  a  5jus  pulse  of  approxi- 
mately ±13V  amplitude. 


0  <  V1  <  +10V 


R3 
— VA— 

2.0k!l 

1N4148J  D1 


REF-01 


1 


A1,A2: 1/2  OP-215  DUAL 


— -13V 
*  5^s 

0+15V 
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Precision  Current  Regulator 

by  James  Wong 


The  wide  input  and  output  voltage  range  of  the  OP-22  pro- 
grammable micropower  op  amp  is  very  useful  for  driving 
power  MOSFET  devices.  This  simple  circuit  provides  a  very 
stable  and  accurate  current  source  that  operates  over  a  range 
of  15V  to  40V  and  up  to  1 A  of  current.  The  REF-02  and  OP-22 
both  operate  from  the  +15V  to  +40V  supply  voltage.  The 
REF-02  output  is  a  stable +  5V  that  is  divided  down  to  drive  the 
input  voltage  (VR)  to  the  current  amplifier.  The  op  amp  drives 
the  power  MOSFET  to  make  loRs  =  VR-  A  sense  resistor  of  511 
provides  a  range  of  zero  to  1 A  for  an  input  range  of  zero  to 
+  5V.  The  high  open-loop  gain  assures  excellent  current 
regulation. 

While  the  nominal  VGS  for  the  IRF533  is  2V  to  4V  and  the 
OP-22  output  will  go  to  within  1.5V  of  the  negative  rail,  there  is 
a  possible  difficulty  in  swinging  low  enough  at  the  OP-22 


output  to  assure  cut-off  of  the  IRF533  over  the  full  tempera- 
ture range.  Selecting  the  power  MOSFET  for  minimum  VGsof 
2V  over  the  temperature  range  will  provide  a  good  safety 
margin.  In  any  case,  the  IRF533  will  require  an  adequate 
heat  sink  if  operated  over  the  full  zero  to  1 A  range. 

The  200J1  resistor  should  be  located  near  the  gate;  its  pur- 
pose is  to  prevent  any  spurious  parasitic  oscillations  in  the 
power  FET.  The  100kn  resistor  is  non-critical  and  just  serves 
as  a  resistive  load  in  parallel  with  the  gate-to-source  capaci- 
tance. If  desired,  a  signal  source  can  be  used  in  place  of  the 
REF-02  to  dynamically  control  l0.  Slew-rate  is  approximately 
0.07V/;us  at  20V  supply  voltage.  Also,  other  power  FET  de- 
vices can  be  used  in  this  circuit  and  other  current  ranges 
accommodated  by  simply  changing  the  sense  resistor  Rs 
as  needed. 
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Micropower  1.23  V  Bandgap  Reference 

by  James  Wong 


Most  bandgap  references  require  at  least  1mA  of  quiescent 
operating  current.This  circuit  takes  advantage  of  an  ADI  pro- 
grammable micropower  op  amp,  the  OP-22,  which  provides 
high  gain  even  at  low  quiescent  currents.  It  has  a  further 
advantage  of  wide  supply  voltage  range.  Total  quiescent  cur- 
rent for  this  1.23V  reference  is  only  20mA  and  the  input  vol- 
tage range  is  +3V  to  +30V. 

A  bandgap  reference  is  generated  by  summing  a  VBE  drop 
that  has  a  negative  tempco  with  a  fraction  of  a  AVBEthat  has  a 
positive  tempco.  The  summation  that  gives  zero  tempco  is 
the  energy  bandgap  of  silicon  (1.205V)  plus  kT/q  (~25mV  at 
25°C)  for  a  total  of  1.230V.  This  varies  slightly  with  process- 
ing, but  the  zero  tempco  point  will  be  very  close  to  1.23V. 

In  this  circuit,  a  AVBEis  generated  by  the  imbalance  in  collec- 
tor resistance. 

>>>  kT.  I  ci 
AVBE  =  Trln-r1 

q  ic2 


The  AVBE  is  impressed  across  R3,  a  68kfl  resistor,  and  the 
resulting  current  of  0.684juA  is  summed  with  IC1.  This  total 
current  lT  is 

It=Ici  +  -e!-AVbe 

"3 

_  AVBE  y  Ri  +  R2 


Ri 

2.2M 
360kf! 

=  46.5mV  at  25°C 


=  25.7mV  X  In 


=  25.7mV  X  In 


R3 

=  4.863MA 

This  current  across  a  nominal  150kn  for  R4  causes  a  voltage 
of  729mV.  This  729mV  adds  to  a  VBEof  500m  V  to  generate  the 
desired  total  of  1.230V  at  the  base  of  Q1.  Tempco  of  this 
1.230V  bandgap  output  will  be  low,  typically  20ppm/°C  overa 
0°C  to  70°C  range. 

The  OP-22  op  amp,  followed  by  a  2N2907  PNP  transistor, 
makes  the  collector  voltages  of  Q1  and  Q2  equal  and  regu- 
lates the  output  voltage.  Line  regulation  is  approximately 
0.01%/V  and  load  regulation  is  0.001%/mA.  Quiescent  cur- 
rent for  the  OP-22  is  set  by  the  Q3  constant-current  source. 
Set  current  for  the  OP-22  is  0.73V/1M  which  corresponds  to  a 
quiescent  supply  current  of  approximately  7MA  to  12/iA  over 
the  supply  range  of  +3V  to  +30V. 

This  bandgap  reference  provides  excel  lent  stability  and  regu- 
lation at  very  low  quiescent  operating  current,  approximately 
20/jA  at  a  10V  supply  level. 

ISY  ~  20/jA 
at  Vs  =  10V 


Vo  =  1.23V 


A1:  OP-22 
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Add  Programmable  Gain,  Attenuation 

by  James  Wong 


By  adding  two  resistors  to  the 
output-amp  feedback  loop 
of  a  current-output  digital- 
to-analog  converter  (DAC), 
both  gain  control  and  attenuation 
control  can  be  achieved  (Fig.  1).  This 
digitally  programmable  amplifier 
produces  gain  and  attenuation  in  the 
range  of  1/64  to  64.  The  circuit  gets 
its  range  from  a  12-bit  CMOS  DAC. 

The  design  works  because  the 
transfer  function  from  the  DAC's  in- 
put to  its  output  is  purely  voltage  at- 
tenuation. Connecting  R;  and  R2  in  a 
"T"  configuration  inside  the  output 
amp's  feedback  loop  produces  a  volt- 
age gain  from  the  resistor  junction  to 
the  output.  If  is  much  less  than 
RPB  (11  kn  in  this  example),  the  gain 
produced  nearly  equals  1  +  (R2/Ri), 
or  64.  The  result  is  a  programmable 
gain  amp  with  a  transfer  function  of 

Av  =  -(D/4096)(64), 

where  D  represents  the  DAC's  bina- 
ry-weighted digital  code.  Of  course, 
the  added  gain  of  the  T-network  in- 
creases the  circuit's  noise  gain. 
Therefore,  it's  important  to  choose 
first  a  low-noise  amplifier. 

By  using  a  low-noise,  high-fre- 
quency op  amp,  such  as  the  OP-61, 
the  circuit  will  have  a  wide  band- 
width performance  even  at  high  gain 
settings.  The  circuit's  frequency  re- 
sponse can  be  plotted  at  different 
gain  settings  (Fig.  2).  At  high  gains, 
the  amp  has  a  1-MHz  bandwidth.  □ 


"26.34k 


Output 


Digital  input 
(12-bit) 


AGND 


II.  BY  adding  R, 
I  and  R2  in  the 
I  feedback  loop 
I  around  a  DAC,  the 
I  circuit  functions  as 
I  a  digitally- 
I  programmable 
I  amp.  The  gain  or 
I  attenuation  is 
I  variable  over  the 
I  range  of  1/64  to  64. 
I  The  resistors  are 
I  connected  in  a  T- 
I  configuration. 


1 2.  GAIN  IS  PLOTTED  versus  frequency  for  various  digital  inputs  of  the  DAC.  The 
I  amplifier  has  a  1-MHz  bandwidth  at  high  gains,  but  it  drops  for  gains  below  1/4. 
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Voltage-Controlled  Amp  Covers  55  dB  Range 

tiu 

by  Bob  Clarke 


INTRODUCTION 

By  using  a  dual  multiplier  chip  and  a  dual  high-speed  op 
amp  (Figure  1 ),  you  can  build  a  2-chip  voltage-controlled 
amplifier  with  a  dynamic  range  of  55  dB,  a  3-d  B  bandwidth 
of  8  MHz,  and  exponential  control.  The  amplifier's  output 
ranges  from  5  mV  p-p  at  Vx  =  0  V  to  3  V  p-p  at  Vx  =  3  V 
for  a  100  SI  load.  The  circuit's  gain  is  unity  at  Vx=  2  V.  You 
can  also  use  Figure  1  to  drive  a  reverse-terminated  50  SI 
cable  to  1 .5  V  p-p.  Or  you  can  use  each  multiplier-op  amp 
combination  separately  to  amplify  two  signals  with  con- 
trol by  a  common  voltage. 


Figure  1's  circuit  connects  the  AD539's  two  voltage-in 
current-out  multipliers  in  series.  Each  of  the  op  amps  acts 
as  a  current-to-voltage  converter.  Vx,  a  single  0  V  to  3  V 
dc  input,  controls  both  multipliers.  Because  both  multi- 
pliers are  in  series,  the  overall  transfer  function  is 


Vqut 


AV2 


INPUT  RANGE: 
10MVTO3V(55dB) 


0.01pF 


4.7£i 

*5V-«  WV-J- 


0.1pF 


AD539 

CONTROL 

W1 

HF  COMP 

Z1 

CH  1 
IN 

cm 

OUT 

♦Vs 

BASE 
COM 

-»8 

CH2 
IN 

CH2 
OUT 

Z2 

INPUT 
COM 

OUTPUT 
COM 

W2 

*PINOUT  SHOWN  IS  FOR  MINI-DIP  PACKAGE 


vOUT  AT  TERMINATION  RESISTOR,  RT 

vout  *T  p|N  4  0F  AD827  »  Vjs-7r- 


*x~  'IN 
8V* 


Figure  7.  A  Wide  Range  Voltage-Controlled  Amplifier  Circuit 
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The  plot  of  Vx  vs.  the  gain  of  this  voltage-controlled  am- 
plifier on  log-log  axes  is  a  straight  line,  which  demon- 
strates the  exponential  gain  response. 

The  square  term  in  the  denominator  of  the  transfer  func- 
tion comes  from  connecting  each  of  the  multiplier's  W 
and  Z  outputs.  The  W  and  Z  pins  of  the  AD539  are  each 
connected  to  6  kfi  resistors.  Connecting  the  two  pins  sets 
the  two  resistors  in  parallel  and  thus  halves  the  gain.  The 
feedback  resistor  in  each  current-to-voltage  converter 
halves  from  6  kfi  to  3  kfi  and  thereby  reduces  the  ampli- 
fer's  overall  gain  by  a  factor  of  four. 


As  an  option  to  Figure  1's  circuit,  you  can  disconnect  the 
Z  outputs  and  use  only  the  W  outputs,  thereby  fixing  the 
gain  resistor  at  6  kfi.  If  so,  the  overall  transfer  function  is 


Vout 


1  V2 


The  maximum  gain  is  9  when  Vx  =  3  V.  You  can  trade 
decreased  bandwidth  for  increased  gain  by  adding  an 
external  scaling  resistor,  Rs,  in  series  with  the  on-chip 
feedback  resistors.  In  this  case,  the  transfer  function  for 
the  dual-multiplier  circuit  becomes 

■ 

VIN       1  V2 


.(  *  y 


where  the  units  of  Rs  is  kfis. 
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Demrow 


Settling  Time  of  Operational  Amplifiers 

Robert 


FOREWORD 

It  is  possible  to  measure  voltages  and  currents  to  within 
small  (even  fractional)  parts  per  million,  traceable  all  the 
way  to  the  Bureau  of  Standards.  Typically,  at  the  limits 
of  precision,  repeated  measurements  must  be  made  over 
a  period  of  time,  after  which  an  experienced  practitioner 
can  state  with  a  great  deal  of  certainty  that  a  voltage  or  a 
current  had,  during  that  interval,  an  average  value 
expressible  to  six  or  rjiore  significant  figures. 

That  this  can  be  accomplished  is  interesting,  impressive, 
and  of  basic  importance  to  all  engineers,  but  it  is  of  little 
direct  relevance  to  afar  more  pervasive  type  of  measure- 
ment. This  is  the  measurement  that  calls  for  a  more 
modest  degree  of  accuracy  —  four  significant  figures  at 
best  (today),  but  the  measurement  must  be  completed, 
often  within  a  microsecond  or  so,  then  converted,  stored, 
and  utilized  by  a  computer.  The  time  taken  to  complete 
the  measurement  to  the  desired  degree  of  accuracy,  be  it 
±1%,  ±0.1%,  ±0.01%,  or±'ALSB,  in  terms  of  its  final  value 
(with  the  often-added  provision  that  said  final  value  is 
within  a- similarly  small  fraction  of  full  scale  of  its 
nominal  expected  value)  is  usually  called  Settling  Time. 
This  interval  may  be  quite  short:  at  present  ±0.01% 
within  0.5  to  1.0  microseconds  is  fashionable;  next  year 
engineers  will  consider  an  order  of  magnitude  improve- 
ment in  performance  feasible  (and  many  will  attain  it). 
Significant  improvements  will  be  reported  in  these  pages. 

The  purpose  of  the  present  discussion  is  to  provide  an 
interpretation  of  Settling  Time,  and  to  set  before  the 
engineer  the  issues  involved  in  terms  of  circuit  design, 
hardware,  specifications,  applications,  and  measurements. 
We  shall  try,  to  the  degree  possible,  to  avoid  the  use  of 
intimidating  mathematical  formulae,  and  to  reveal  prac- 
tical circuits  and  mathematical  shortcuts. 


INTRODUCTION 

Much  has  been  written  on  the  subject  of  small-signal  frequency 
response  characteristics  of  amplifiers;  and  most  users  of  opera- 
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tional  amplifiers  are  able  to  make  use  of  the  manufacturers' 
specifications  to  calculate  closed-loop  bandwidth,  analyze 
stability,  determine  phase  errors,  etc.1  Most  manufacturers 
also  provide  data  sufficient  to  characterize  the  full  power 
response  and  slew  rate  of  the  amplifier. 

The  important  difference  of  Settling  Time  investigations  is  that, 
although  frequency  response  may  be  a  tool,  the  results  must  be 
either  implicitly  or  (preferably)  explicitly  measurable  in  the 
Time  Domain.  They  are  in  genera]  terribly  nonlinear  and  sub- 
ject to  (so  it  would  seem)  every  stray  nastiness  that  Nature  has 
evolved,  because  of  the  combined  stress  on  both  speed  and 
accuracy.  aj*''- BBk  1 

Thus  the  recently -increased  use  of  operational  amplifiers  in 
handling  data  in  systems  calling  for  high-speed  switching  rates, 
especially  in  connection  with  digital  computers,  has  led  to  a 
requirement  for  time-response  characterization  of  general- and 
special-purpose  operational  amplifiers.  A  typical  problem  is  the 
application  of  rapidly-changing  signals  (e.g.,  step  functions)  to 
a  buffer  amplifier,  which  must  faithfully  reproduce  the  input 
to  a  high  degree  of  accuracy  within  a  period  of  the  order  of  a 
microsecond.  This  requires  that  the  amplifier  be  designed  and 
optimized  for  Settling  Time.  Applications  requiring  fast  settling 
time  to  high  accuracies  are  typified  by  Sample-Hold  circuits, 
Multiplexers,  and  amplifiers  used  with  A/D  and  D/A  converters. 
Settling  time  is  important  in  these  applications  because  it  is  the 
principal  factor  which  determines  the  maximum  data  or  infor- 
mation transfer  rate  foragiven  accuracy.  A  tradeoff  is  generally 
possible  between  data  rate  and  accuracy:  viz.,  higher  data  rates 
are  possible  at  the  sacrifice  of  accuracy.  It  should  also  be  noted 
that  the  buffer  amplifier,  as  but  one  step  in  a  process,  is  now 
one  of  the  major  limitations  on  system  speed. 

DEFINITION 

SETTLING  TIME  is  the  time  elapsed  from  the  application  of 
an  ideal  instantaneous  step  input  to  the  time  at  which  the 
closed-loop  amplifier  output  has  entered  and  remained  within 
a  specified  error  band,  usually  symmetrical  about  the  final 
value.  Settling  time  includes  a  very  brief  propagation  delay, 
plus  the  time  required  for  the  output  to  slew  to  the  vicinity  of 

note  references  are  to  numbered  items  intKe  bibliography. 
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the  final  value,  recover  from  the  overload  condition  associated 
with  slewing,  and  finally  settle  to  within  the  specified  i 
Figure  1  illustrates  this  definition  of  Settling  Time. 


LINEAR  SETTLING 


-SETTLING  TIME  TO  t  AE  ■ 
*100% 


Settling  time  may  also  be  defined  in  terms  of  the  recovery  time 
of  the  amplifier  from  an  instantaneous  error  caused  by  a  step  or 
an  impulse  change  in  load.  Because  Settling  Time  is  determined 
by  a  combination  of  amplifier  characteristics,  nonlinear  as  well 
as  linear,  and  because  it  is  a  closed-loop  parameter,  it  cannot 
readily  be  predicted  from  such  open-loop  specifications  as  slew 
rate,  small-signal  bandwidth,  etc. 

Two  frequently-occurring  applications  requiring  fast  settling 
time  for  maximum  transfer  rate  are  indicated  in  Figures  2  and 
3.  Figure  2  depicts  the  typical  Multiplexer  problem  (only  two 
channels  shown,  for  simplicity).  One  line  is  at  OV,  the  other  is 
at  -10V.  When  switching  from  one  channel  to  the  other,  the 
amplifier's  input  may  be  subjected  to  a  10-volt  step  and  must 
recover  to  the  millivolt  level  in  high-accuracy  systems.  Figure  3 
indicates  a  typical  waveform  from  a  high-speed  D/A  Converter 
(DAC)  showing  large  transient  spikes  ("glitches")  caused  by 
time  skew  between  turn-on  and  turn-off  of  the  D  AC's  switches. 
The  settling  time  of  the  amplifier  used  (if  the  DAC  uses  an 
amplifier)  limits  the  maximum  bit  rate  for  an  A/D  Converter 
(ADC)  using  the  DAC. 


(a)  Components  of  settling  time  (nonlinear  scale) 


lb)  Annotated  wave  forms  illustrating  comparative 
settling  time  of  two  typical  op  amps. 


Figure  1.  Pictorial  Definition  of  Settling  Time 


CAUTION:  The  above  definition  has  been  used  widely  in 
the  data  acquisition  field  for  at  least  the  past  10  years. 
Nevertheless,  some  manufacturers  new  to  this  field  (but 
not  to  the  tricks  of  "specmanship")  define  "settling  time" 
as  the  time  required  to  settle  within  the  linear  small- 
signal  region  only.  When  considering  the  products  and 
applications  literature  of  these  manufacturers,  it  is  im- 
portant to  realize  that  their  term  usually  corresponding 
to  Settling  Time  is  "Acquisition  Time."  (Until  adopted 
for  this  usage,  Acquisition  Time  hada  specialized  meaning 
of  its  own:  minimum  time  required  for  a  Sample-Hold 
switch  to  be  closed  to  allow  re-opening  without  loss  of 
information,  usually  without  the  necessity  that  the  amp- 
lifier finish  settling.)  We  do  not  know  at  present  what 
standards  will  eventually  emerge,  but  we  shall  always 
identify  small-signal  settling  time  by  attaching  the  "small 
signal"  label  wherever  it  would  be  misleading  to  do 
otherwise. 
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Figure  2.  Simplified  diagram  of  muliplexer  circuit 
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Figure  3.  Output  of  counter-driven  Fast  D/A  Converter 
showing  "glitches" 

AMPLIFIER  DESIGN  FACTORS  AFFECTING 
SETTLING  TIME 

The  design  factors  to  be  discussed  here  are  those  that  the 
amplifier  designer  and  the  engineer  who  specifies  the  amplifier 
must  consider,  ©ther  design  factors  concerning  the  circuit  the 
amplifier  is  tested  or  used  in  will  be  discussed  in  a  later  section. 
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LINEAR  OPERATING  RANGE.  Although  the  essence  of  the 
problem  of  settling  time  is  nonlinear,  the  factors  to  be  discussed 
in  this  section  pertain  to  the  all-important  linear-settling  "tail", 
which  applies  to  both  small  signals  and  large  (though  not 
always  identically).  "Linear"  means  that  the  amplifier  and  all 
associated  elements  are  operating  in  the  linear  range,  i.e.,  the 
parametric  relationship  is  independent  of  voltage  or  current 
level,  or  its  previous  history. 

Noise.  The  amplifier's  output  can  never  settle  within  a  given 
band  of  error  if  its  output  noise,  however  generated,  is  com- 
parable to  the  magnitude  of  the  band  defined  for  settling.  In 
addition  to  inherent  amplifier  circuit  noise,  the  designer  must 
also  consider  the  effects  of  interference  noise,  whether  coupled 
from  the  external  environment,  the  power  supply,  the  input 
signal,  or  the  logic  signals  in  the  associated  circuitry.  For  a 
discussion  of  noise  in  operational  amplifier  circuits,  see  Analog 
Dialogue,  Vol.  3,  No.  1. 

DC  Gain.  To  ensure  the  accuracy  of  the  final  value,  the  gain 
of  an  amplifier  which  must  settle  to  within  ±0.01%  should  be  at 
least  10,000  for  unity -gain  followers,  20,000  for  unity  gain  in- 
verters, and  more  for  higher-closed-loop-gain  amplifiers.  If  the 
amplifier's  open-loop  input-output  characteristic  is  reasonably 
linear,  the  error  caused  by  slightly-lower  gains  may  be  compen- 
sated for  under  a  given  set  of  conditions  by  trimming  the  feed- 
back ratio.  For  follower  applications,  the  CMRR  should  be 
commensurate  with  the  desired  gain  accuracy. 

Drift  and  Offset.  For  high-precision  applications,  offset  must 
be  low  or  adjustable,  and  drift  over  the  temperature  range 
should  be  within  the  error  corresponding  to  the  desired  ac- 
curacy. For  example,  ±0.01%  error  in  ±10V  circuitry  requires 
less  than  ±1  millivolt  (i!4mV  in  inverter  applications).  Bias 
current  drift  may  not  be  disregarded:  1  millivolt  in  10kf2 
requires  that  bias  current  change  less  than  100  nanoamperes. 

Dynamic  Stability.  Operational  amplifiers  designed  for  "opti- 
mum" response  at  high  gains  at  low  frequency  often  have 
transfer  functions  that  provide  only  marginal  stability  when 
the  loop  is  closed  more  tightly  for  near-unity  gain  and  wide 
bandwidth.  The  amplifier  used  for  fast  settling  to  high  accuracy 
should  have  a  closed-loop  response  that  is  (at  least  theoretically) 
not  much  worse  than  critically-damped,  as  any  oscillation  or 
ringing  may  prolong  settling  time.  Furthermore,  in  practical 
circuits,  which  have  stray  capacitance,  the  added  lags  caused  by 
the  external  loop  elements  will  cause  an  amplifier  having  in- 
sufficient phase  margin  to  ring.  For  this  reason,  designers  of 
fast-settling  operational  amplifiers  strive  to  have  the  open-loop 
frequency  characteristic  be  strongly  dominated  by  a  single  time 
constant.  This  is  stated  in  many  ways,  all  having  the  same 
meaning:  constant  90°  phase  shift,  -6dB/octave  (or  -20dB/ 
decade)  rolloff,  unit  lag,  exponential  response,  etc. 

Amplifiers  characterized  by  this  form  of  response  may  be  con- 
sidered to  be  integrators  with  limited  DC  gain,  characterized  by 
the  following  equation:* 

i  r  a»tiP  I  _  j_  _  _ .  f, 
i  Li  +  AotvpJ-  r,p~~  J  f 


A,„.  = 


Trf>  | 


*Note:  p  is  the  Heaviside  differentiation  operator,  corresponding 
roughly  to  s  or  jOJ,  Aol  is  open-loop  gain,  A0  is  DC  gain,  fx  is  unity 
gain  bandwidth,  T,<  =  l/27tfx 


For  many  non-state-of-the-art  applications,  the  single  time 
constant  response  has  the  further  advantage  of  being  calculable 
virtually  by  inspection.  Small-signal  settling  time  of  amplifiers 
with  more  complex  transfer  functions  does  not  lend  itself  to 
ready  calculation.  Figure  4  shows  the  open-  and  closed-loop 
response  of  an  amplifier  having  this  popular  characteristic,  and 
provides  a  table  indicating  the  relationship  between  small-signal 
settling  time  and  amplifier  unity-gain  bandwidth  (fx)  or  char- 
acteristic time  (rx). 


O.OIf,  0«x        f„  FREQUENCY 

»iootx  »»t,  Trr^ 
(a)  Bode  (amplitude  vs.  frequency)  Plot,  Feedback 
Circuit,  Time  Response 


Percent 


-2.303t„  log10  n  for  tx  (/lis)  or  fx(MHz) 


error 

100  T? 

Gain  =  1 

Gain  = 

10 

TSVS.7X(MS) 

T,  vs.  fx 

Ts  VS.  Tx 

Tsvs.  f, 

10  % 

2.303tx 

0.367/fx 

23.03rx 

3.67/fx 

1.0  % 

4.606tx 

0.734/fx 

46.06rx 

7.34/fx 

0.1  % 

6.909tx 

1.101/fx 

69.09tx 

11.01/fx 

0.01% 

9.2127X 

1 .468/f  x 

92.1 2rx 

14.68/fx 

lb)  Settling  Time  vs.  Fractional  Error  rj  for  First-order 
Step  Response  as  a  Function  of  Open-Loop  Character- 
istic Time  (tx)  or  Unity-gain  Bandwidth  (fx) 


If  the  mismatch  tern 


Figure  4.  Closed-loop  Response  of  Amplifier  having 
-6dB/Octave  Open-Loop  Amplitude  Response 

Weil-Behaved  Dynamic  Response.  Multistage  amplifiers  require 
the  matching  of  poles  and  zeros  in  the  linear  transfer  function 
to  achieve  a  6dB/octave  characteristic.2  >3  That  is,  m  =  1  in  the 
general  expression:  ±        ^  +  m 

"L      r,p  U  +  mAoT,pJ  L  I  +  A,r,p  J 

m,  is  substantially  different  from  1.0, 
and  if  At  is  substantially  less  than  the  open-loop  gain  required 
for  the  desired  degree  of  accuracy,  the  output  of  the  amplifier 
will  settle  rapidly  to  within  a  small  fraction  (about  1/AQ)  of 
the  final  value,  undershooting  if  m>l,  overshooting  if  m<l, 
then  settle  exponentially  to  the  final  value  with  a  surprisingly 
long  time  constant.  (Fig.  5)  The  details  of  this  consideration 
are  described,  and  illustrated  by  scope  pictures  of  the  response 
of  a  low-speed  dynamic  model  in  the  Appendix  on  pages  10 
and  11. 

Propagation  Delay.  At  frequencies  substantially  beyond  fx,  the 
amplifier's  open-loop  response  starts  to  roll  off  more  steeply  and 
with  greater  phase  shifts.  The  time-domain  analogy  to  this  is  a 
brief  interval  of  "dead  time"  of  the  order  of  nanoseconds, 
small  compared  to  rx  if  the  circuit  is  to  be  stable  closed-loop. 
Because  Tx  itself  is  not  usually  a  limiting  factor  on  settling 
time,  propagation  delay  is  even  less  so,  in  linear  operation. 


OPERATIONAL  AMPLIFIERS  13-97 


Figure  5.  Pole-Zero  Matching  of  open-loop  gain  and  its  effect 
on  Closed-loop  Linear  Settling  Time  (see  Appendix) 


NONLINEAR  EFFECTS.  Amplifiers  are  available  having  f  as 
high  as  100  MHz  and  more.  Using  the  formula  given  in  Figure  4, 
this  would  imply  a  settling  time  to  0.01%  of  about  1 5  nano- 
seconds, if  the  response  of  such  amplifier  has  a  single  unit-lag. 
Yet  the  specifications  are  more  like  0.5  to  1.0  microseconds 
and  more.  Why?  Here  are  some  of  the  considerations: 

Slew  Rate.  Within  the  amplifier,  there  are  inherent  semi- 
conductor and  circuit  capacitances,  as  well  as  those  added  for 
stabilization;  at  the  output,  there  is  load  capacitance.  The  rate 
of  change  of  voltage  at  each  point  in  the  circuit  is  limited  by 
the  available  current  to  charge  the  capacitance  at  that  point 
(dv/dt  maI='max"-)-  'n  tne  above  example,  if  the  amplifier 
were  operating  linearly  over  its  whole  output  range,  the  initial 
rate  of  rise  in  response  to  a  step  would  have  to  be  10V/1.6ns  = 
6,280  volts  per  microsecond!  In  order  to  drive  a  lOpF  load 
without  saturating,  at  least  62.8mA  must  be  available. 


Tables  I  and  II  show  the  relationships  between  step  size,  slew 
rate  required  for  exponential  response,  capacitor  size,  and  re- 
quired driving  current,  for  a  somewhat  less  exotic  selection  of 


the  appropriate  value  of  slew  rate.  In  practice,  such  slew  rates 
(in  relation  to  small-signal  frequency  response)  cannot  be 
achieved:  the  excessive  currents  required  would  degrade  ac- 
curacy and  drift  specifications;  also  the  operational  amplifier 
would  be  required  to  respond  linearly  to  100%  error  at  its  input 
(i.e., full-scale  differential  input).  Typically,  then,  the  amplifier 
slews,  at  a  maximum  rate  5  to  100  times  less  than  that  implied 
by  its  small  signal  bandwidth,  up  to  the  vicinity  of  full  scale, 
recovers,  and  settles  exponentially  (either  aperiodically  or  with 
oscillations). 

Recovery.  During  nonlinear  slewing,  saturation  imposes  charge 
changes  away  from  normal  operating  values  on  the  circuit  capa- 
citances (including  minority  carrier  storage  in  semiconductors). 
These  must  be  discharged  back  to  equilibrium  values  before  the 
amplifier  can  operate  normally.  Thus,  there  is  a  period  of 
recovery  which  is  comparable  to  the  period  of  slewing,  but  it 
may  be  substantially  greater  if  many  internal  stages  are  involved. 
Fast  slew  rate,  therefore,  is  not  by  itself  a  good  indicator  of  a 
fast-settling  amplifier.  Some  amplifiers  with  extremely-large 
slew  rates  have  excessive  recovery  time  and  greater  overall 
settling  time  than  other  amplifiers  having  more  modest  slew 


Figure  6.  Comparison  of  Two  Amplifiers  Having  Similar 
Settling  Times,  But  Differing  Slew  Rates. 

OTHER  EFFECTS.  Dielectric  absorption  (hysteresis),  both 
internal  to  the  amplifier  and  inherent  in  external  bypass  capa- 
citors, may  be  an  important  factor  in  circuits  requiring  settling 
to  0.01%.  Most  capacitors  used  in  electronic  circuits  have  non- 
negligible  dielectric  hysteresis  when  used  in  precision  applica- 
tions;  the  popular  ceramics,  for  example,  may  have  typically  5%. 
When  a  capacitor  is  subjected  to  a  sudden  stress,  it  requires  a 
period  of  "soaking"  to  return  to  internal  charge  equilibrium.4 
Thus  the  dC/dt  term  cannot  be  neglected  in  the  definition  of 
current,  i  =  dQ/dt  =  d(CV)/dt  =  C  dV/dt  +  V  dC/dt.  Dielectric 
absorption  is  responsible  for  the  long  "tails"  (typically  10  to 
lOOjUs)  often  greatly  extending  the  final-settling  interval  for 
otherwise  fast  amplifiers.  With  proper  attention,  an  amplifier's 
settling  time  to  0.01%  need  not  greatly  be  affected  by  dielectric 
absorption,  and  minimization  of  its  effects  in  settling  to  0.1% 
is  even  less  difficult  to  achieve. 
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63 
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TABLE  1  -  First-Order  Response:  Required  Initial  Rate 
of  Change  (Volts/fis)  as  a  Function  of  Step  Size,  fx,  andrx. 
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TABLE  II  -  Current  (mA)  to  Maintain  a  Given  Slew  Rate 
(V/fis)  As  a  Function  of  Capacitance.  f  _ 
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Thermal  Transients  ("self-heating"  effects).  During  slewing,  the 
normally  equal  distribution  of  dissipations  in  (particularly)  the 
input  stage  may  become  grossly  unbalanced.  Amplifiers  de- 
signed to  be  fast  usually  run  at  "rich"  values  of  current  (to 
enable  rapid  handling  of  voltage  changes  across  circuit  capaci- 
tances and  keep  impedance  levels  down),  but  because  a  differ- 
ential temperature  change  of  one  degree  in  a  bipolar 
transistor  stage  can  cause  about  2  millivolts  of  drift  (0.02%  of 
10-voltfull  scale),  the  time  required  to  recover  thermal  balance 
after  large  input  transients  is  a  factor  tending  to  limit  the 
choice  of  currents  in  the  input  stage.  In  addition,  a  large  change 
in  load  current  may  significantly  change  dissipations  in  the 
output  stage  (and  hence  temperatures  inside  the  amplifier 
package),  and  if  these  temperature  changes  are  unequally  con- 
ducted to  the  two  sides  of  the  input  stage,  transient,  as  well  as 
steady-state  unbalances  can  result.  Input  circuit  effects  are  less 
serious  in  inverting  amplifier  configurations  than  they  are  in 
unity-gain  followers,  where  common-mode  swing  (equal  to 
full-scale  input  voltage  swing)  may  cause  substantial  changes  in 
input-stage  dissipation.  Self-heating  effects  will  generally  not 
affect  the  settling  time  to  0.1%,  and  -  in  well-designed  ampli- 
fiers —  will  not  substantially  increase  the  settling  time  to  0.01%. 
However,  where  this  design  factor  is  neglected,  they  can  cause 
"tails"  exceeding  milliseconds  in  duration. 

MINIMIZING  SETTLING  TIME 
SUGGESTIONS  FOR  THE  CIRCUIT  DESIGNER 

If  the  designer  of  a  typical  fast-settling  operational  amplifier 
has  done  the  job  properly,  taking  into  account  all  the  factors 
we  have  mentioned,  he  has  made  available  a  device  that  can  be 
demonstrated  to  have  a  specified  accuracy  of  0.01%  and 
settling  time  less  than  lus.  However,  an  operational  amplifier 
is  a  building  block  in  a  circuit  that  also  has  a  feedback  network, 
input  connections,  power  supply  connections,  output  connec- 
tions, and  a  number  of  external  components.  What  has  been 
painstakingly  gained  in  amplifier  design  can  be  lost  in  short 
order  through  careless  circuit  design.  Some  of  the  elements  of 
good  design  are  these: 

CONNECTIONS.  It  is  of  utmost  importance  that  the  power 
supply  leads  be  adequately  bypassed  directly  at  the  amplifier's 
terminals*  and  that  especial  care  be  taken  in  the  signal  and 
power  ground  circuits  to  avoid  inducing  or  generating  ex- 
traneous voltages  in  the  ground  signal  paths.5 
COMPONENTS.  Resistors  aie  preferably  metal  film  types, 
because  they  have  less  capacitance  and  stray  inductance  than 
wirewound  types,  and  are  now  available  with  excellent  ac- 
curacies and  temperature  coefficients. 

Diodes  are  hot  carrier  types  for  the  very  fastest-settling 
applications,  but  1N914  types  are  suitable  for  more  routine 
uses. 

Capacitors  in  critical  locations  are  polystyrene,  teflon,  or  poly- 
carbonate, to  minimize  dielectric  absorption. 

CIRCUIT.  For  the  fastest  settling  times,  keep  leads  short, 
orient  components  to  minimize  stray  capacitance,  keep  circuit 

*Most  well-designed  discrete  op  amps  have  bypass  capacitors  built  in, 
but  the  designer  should  never  take  it  for  granted  that  they  will  be  ade- 
quate for  his  application,  until  he  can  so  demonstrate. 


impedance  levels  as  low  as  consistent  with  the  output  capa- 
bilities of  the  amplifier  and  the  signal  source,  reduce  all  external 
load  capacitances  to  the  absolute  minimum.  Don't  overlook 
sockets  or  printed  circuit  board  mounting  as  possible  sources 
of  dielectric  absorption.  Avoid  pole-zero  mismatches  in  the 
feedback  networks  used  with  the  amplifier.  Minimize  noise 
pickup. 

SPECIFYING  SETTLING  TIME 

On  page  2  is  a  statement  relating  to  alternate  definitions  of 
settling  time  employed  in  some  portions  of  the  industry.  When 
it  comes  to  specifying  settling  time,  there  are  as  many  formats 
as  there  are  manufacturers.  Until  the  format  to  be  discussed 
and  demonstrated  below  was  developed,  no  known  manufac- 
turer, including  Analog  Devices,  had  presented,  as  a  settling  time 
specification,  much  more  than  the  stark  statement:  "settling 
time  as  an  inverter  to  0.01%  of  full  scale  is  .  .  .  ./is,"  plus  a 
waveform  or  two,  and  a  simplified  schematic  of  a  test  setup. 

Important  unanswered  questions  were:  "What  are  the  trade- 
offs?" How  much  can  settling  time  be  reduced  by  reducing 
full-scale  signal  level  (and  thus  the  slewing  and  recovery 
periods)?  Suppose  one  does  not  desire  0.01%  accuracy,  but 
wishes  instead  to  determine  the  size  of  error  band  for  a  given 
step  size  and  settling  time?  Is  settling  time  symmetrical  for 
positive  and  negative  excursions? 

V  CURVES  (Figure  7) 

A  graphical  form  of  specification  has  been  developed  that  helps 
answer  many  of  the  above  questions.  Because  of  the  shape  of 
the  curves  when  plotted  linearly,  they  have  been  dubbed  "V 
Curves."  For  increased  information  content,  however,  a  semi- 
log plot  has  been  adopted.  Each  curve  represents  the  measured 
settling  time  (microseconds)  vs  full-scale  step  magnitude  (volts) 
for  a  given  final  error  band.  Three  error  bands  were  chosen : 
±lmV,  +10mV,  ±100mV,  corresponding  to  ±0.01%,  ±0.1%, 
±1%  of  full  scale,  respectively.  The  percentage  error  is  the  ratio 
of  error  band  to  output  step.  For  example,  lmV/5V  =  0.02%. 

Information  is  given  for  both  positive  and  negative  step 
polarities;  the  two  standard  configurations  shown  are  as  unity 
gain  inverter  and  unity  gain  follower.  It  is  of  course  possible  to 
obtain  data  for  curves  for  other  conditions,  and  we  welcome 
comments  by  our  readers  on  the  adequacy  and  relevance  of 
this  form  of  specification,  along  with  suggestions  for  improve- 
ments to  the  format. 

Figure  7  shows  a  set  of  theoretical  V  Curves  for  an  ideal 
amplifier  having  no  slew  rate  difficulties  whose  Tx  is  100ns 
(fx  =  1.6MHz). 
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Figure  7.  Example  of  V  Curves.  Theoretical  Amplifier 
With  First-Order  Linear  Response. 
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LIMITATIONS  OF  SPECIFICATIONS 

CIRCUITS  STUDIED.  It  is  usually  the  case  that  for  most 
operational  amplifiers,  the  fastest-settling  performance  will  be 
obtained  when  the  amplifier  is  operated  as  either  a  unity-gain 
inverter  or  as  a  follower.  {Slewing  may  be  more  rapid,  however, 
for  some  types,  at  high  closed-loop  gains).  For  this  reason, 
data  has  been  taken  at  unity  gain  using  both  inverter  and 
follower  configurations.  The  amplifiers  operate  with  no  external 
resistive  or  capacitive  load,  other  than  the  comparator  used 
for  the  measurement,  the  leads  to  it,  and  the  feedback  circuit 
impedance  in  the  inverting  configuration.  The  resistance  com- 
ponent has  been  confined  to  a  pair  of  2.5kf2  resistors,  to 
enable  amplifiers  having  5mA  output  current  to  be  measured. 

EXTRAPOLATION  OF  SETTLING  TIME  MEASUREMENTS. 
Because  of  the  many  factors  that  influence  settling  time,  it  may 
be  dangerous  to  assume  that  data  may  be  interpolated  (or 
worse,  extrapolated),  especially  for  those  types  having  radical 
changes  in  shape  between  adjacent  curves,  or  in  different 
portions  of  the  same  curve. 

AMPLIFIER  STABILIZATION  NETWORKS.  The  methods 
used  for  feedback  stabilization  can  have  quite  drastic  effects 
on  the  amplifier's  settling  time  because  the  amplifier's  settling 
characteristics  are  intimately  related  to  the  location  of  both 
the  open  loop  and  closed  loop  poles  and  zeros.  Anything  the 
user  does  that  will  reduce  the  amplifier's  bandwidth  will  usually 
lengthen  settling  time.  For  example,  multiple  input  summing 
resistors  decrease  loop  gain;  added  summing  point  capacitance 
requires  feedback  capacitance  to  compensate,  resulting  in 
smoother  (but  often  slower)  settling;  output  cable  capacitance 
can  cause  peaking,  and  may  require  a  load  isolation  resistor, 
which  will  result  in  slower  overall  response;  stray  feedback 
capacitance.  Even  such  a  simple  thing  as  placing  a  resistive  load 
on  the  amplifier  may  reduce  its  open-loop  gain  (at  all  fre- 
quencies, including  fx),  and  thus  its  loop  gain  and  settling 
time. 

CAVEAT.  Since  settling  time  specifications  cannot  possibly 
include  (or  be  extrapolated  to)  all  possible  situations,  they 
should  be  used  as  a  guide  for  preliminary  selection  of  an 
amplifier  to  fit  a  given  application.  In  all  cases,  and  especially 
where  the  application  conditions  are  significantly  different 
from  those  used  in  specifying  the  amplifier,  there  can  be  no 
substitute  for  actual  trial  of  the  amplifier  in  the  proposed 
circuit  to  determine  whether  it  will  perform  as  desired.  Often, 
the  manufacturer's  experience  with  customers  having  a  wide 
variety  of  applications  can  be  helpful,  and  —  especially  where 
op  amps  are  key  elements  in  large  important  projects  —  de- 
signers are  urged  to  make  use  of  the  manufacturer's  appli- 
cations engineers  for  helpful  suggestions  and  judgements  based 
on  their  experience. 

MEASURING  SETTLING  TIME 

INVERTING  CONFIGURATION 

There  are  a  number  of  circuit  approaches  that  may  be  used  for 
observing  the  settling  time  of  an  inverting  amplifier.  Perhaps 
the  simplest  (or  at  least  the  most  obvious)  consists  of  measuring 
the  voltage  at  the  amplifier's  own  error  point.  Though  super- 
ficially simple,  this  method  has  several  deficiencies:  the  added 


capacitance  of  the  measuring  device  affects  the  closed-loop 
dynamics,  the  dynamic  input  impedance  of  the  amplifier  may 
cause  errors  in  estimating  the  actual  gain  error,  and  feedback 
circuit  dynamics  may  introduce  errors  that  will  not  be  ob- 
servable at  the  error  point. 

Instead  of  using  the  actual  summing  point  of  the  amplifier,  it 
is  feasible  to  construct  a  quasi-summing  point,  as  shown  in 
Figure  10.  Although  measurement  errors  may  be  caused  by 
capacitance  at  this  quasi-summing  point,  it  does  not  affect 
amplifier  performance.  Because  the  comparator  which  observes 
the  error  is  comparing  the  proxy  error  signal  with  "ground," 
this  is  by  far  the  easiest  kind  of  measurement  to  make.  The 
comparator's  output  is  readily  clamped  to  minimize  overdrive 
of  both  the  comparator  and  the  monitoring  oscilloscope,  the 
comparator  may  have  gain,  and  it  may  also  settle  more  slowly 
than  the  amplifier  under  test  (its  settling  time  errors  are  second- 
order,  in  this  case.) 


Figure   10.  Settling  Time  Measurements  at  Quasi- 
Summing  Point. 

The  above  discussion  pertains  to  an  amplifier  used  with  a  voltage 
signal  and  input  and  feedback  resistors.  However,  if  the  signal 
is  a  current  step  (amplifier  used  as  a  current-to-voltage  trans- 
ducer), the  output  step  response  must  be  compared  with  the 
expected  final  value.  Since  the  comparator  is  taking  the  dif- 
ference directly,  rather  than  observing  an  error  point,  it  will  be 
subjected  to  wider  swings,  and  it  must  settle  substantially  (at 
least  2  to  3  times)  faster  than  the  amplifier  under  test  to  avoid 
introducing  excessive  delay  and  time  uncertainty.  Needless  to 
say  (having  already  dwelt  heavily  on  the  problems  of  designing 
a  fast-settling  amplifier  itself),  the  problem  of  designing  and 
instrumenting  a  comparator  to  test  settling  time  (and  properly 
interpreting  the  results  obtained  with  it)  presents  challenges 
that  make  the  amplifier  design  job  look  easy. 
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NON-INVER TINC  CONFIGURATION.  The  most  usual  circuit 
to  be  tested  is  the  unity-gain  follower.  It  requires  direct  com- 
parison between  the  input  step  and  the  output  signal  as  they 
swing  through  the  entire  common-mode  range.  Thus  the 
problem,  and  its  instrumentation,  may  be  similar  to  that  of  the 
inverter  with  current  source. 
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Figure  1 1.  Instrumentation  for  Settling  Time  Measurement 

EQUIPMENT.  Figure  11  shows  a  typical  measurement  system 
for  settling  time.  Commercially  available  comparators,  such  as 
the  Tektronix  Models  W  and  1A5,  the  Hewlett-Packard  1803A, 
and  the  Adage  Ultranull  NDI  are  useful,  but  their  applicability 
is  limited  to  settling  times  somewhat  greater  than  ljus  for  0.01% 
measurements.  As  a  rule,  specially-designed  and  constructed 
equipment  is  required  in  order  to  assure  oneself  that  the  system 
requirements  are  met,  including  low  noise,  minimization  of 
excess  lead  inductance,  capacitance,  and  (naturally)  adequate 
settling  time. 

The  pulse  generator  used  for  the  measurement  should  have  rise 
times  of  the  order  of  10ns,  with  a  flat  top  occurring  within 
(say)  a  few  hundred  nanoseconds  of  the  step  transition.  A 
square  wave  of  about  100Hz  should  be  applied  initially  to 
determine  output  amplitude  and  whether  the  amplifier  exhibits 
slow  recovery  phenomena  (due  to  thermal  transients,  dielectric 
absorption,  etc.)  Once  the  observer  is  satisfied  of  the  absence 
of  long  tails,  a  much  faster  rate  may  be  used  to  observe  fine 
structure.  Some  low  cost  signal  generators  exhibit  a  degree  of 
pulse  "droop,"  that  may  cause  what  appear  to  be  long  tails  in 
observations  of  settling  time  of  an  amplifier,  especially  in  the 
follower  configuration  (because  the  amplifier  output  is  being 
compared  with  a  dc  level) .  The  dummy  summing  point  approach 
of  Figure  10  is  less  sensitive  to  pulse  droop,  because  addition 
of  input  and  output  waveforms  tends  to  cancel  the  droop, 
assuming  that  the  amplifier  reproduces  the  droop  with  fidelity. 

Most  of  the  measurements  performed  to  obtain  the  V  curves 
used  the  specially-constructed  square  wave  source  and  com- 
parator schematically  illustrated  in  Figures  12  and  13.  The 
square  wave  source  is  capable  of  supplying  both  positive  and 
negative  outputs  variable  from  zero  to  ±10  volts,  with  a  rise 
time  of  about  1 5  nanoseconds. 

The  comparator  shown  was  used  for  all  but  the  fastest  ampli- 
fiers. It  settled  in  about  0.75/is  for  measurements  in  a  lmV 
error  band,  and  about  0.5/is  for  measurements  in  the  lOmV 
error  band.  Its  performance  had  been  intentionally  compro- 


mised by  adjusting  its  input  impedance  so  that  it  could  be  used 
for  measuring  outputs  of  G.P.  amplifiers  having  only  5mA 
available.  (Amplifiers  designed  for  fast  settling  usually  have 
outputs  of  20mA  or  more). 
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Figure  12.  Square  Wave  Source,  Simplified. 
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Figure  13.  Comparator  Simplified 
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APPENDIX 


EFFECTS  OF  POLE-ZERO  MISMATCH  ON 
LINEAR-SETTLING  INTERVAL 

Consider  an  ideal*  operational  amplifier  connected  as  a  unity- 
gain  follower.  Assume  that  its  open-loop  transfer  function  is  as 
shown  in  Figure  5,  characterized  by  unity-gain  bandwidth  fx 
(=  1/2tttx),  midband  gain  Ai ,  mismatch  coefficient  m,  and  DC 
gain  A0(-»  °o).The  open  loop  transfer  function  of  the  amplifier 

A = r  A°  i  r + "^'^i 

Li  +  mAor,pJ  L  1  +  A,r,p  J 
The  gain  of  an  operational  amplifier  connected  as  a  follower  is 


^[i  +  aJ  -  1  + a  <^=1» 


A„(l  +  mAaTjp) 


A0(l  +  mA,x,p)  +  (1  +  mA„T,p)(l  +  A,r. 


Substituting, 

G  = 


and  after  many  steps,  one  of  which  is  to  assume  Ao  ~*  00 

^  I  +  mAn^p  

7  1  +  (A,+  l)mr,p  +  mA^p2 
The  quadratic  in  the  denominator  can,  of  course,  be  factored 
to  an  expression  of  the  form  (|      Bp)(l  +  Cp) 

EXAMPLES 

1.  Consider  now  an  example:  (m  =  1) 
A,  =  200  (Ao^cc) 
m   =  1 

One  can  compute  the  closed-loop  transfer  function  to  be: 


c  = 


I  +  rrP 

As  a  first-order  lag,  the  output  will  settle  to  within  0.01%  in 
9.2  time  constants  (see  Fig.4).  If  Tx  =  0.1/is,  the  output  (as- 
suming purely-linear  settling)  would  settle  within  0.92f«s. 

2.  m>  1 

Suppose  now  that  A  i  =  200,  but  m  =  4.  One  can  compute  the 
closed-loop  transfer  function  to  be 

~  "1  +  800r 


-  U  +  0.996r,pJ  Ll  +  803r,pJ 


0.9%r,pJ  Ll  +  803r 
This  can  be  seen  to  be  equivalent  to  a  unit-lag  of  about  Tx  (as 
before)  cascaded  with  a  lead-lag  having  instantaneous  response 
of  800/803,  and  lag  time  constant  of  803rx !  To  go  the  final 
distance  from  800/803  to  9999/10,000  requires  settling  to  one 
part  in  37,  or  about  3.6  time  constants,  or  (in  the  case  of 
Tx  =  0.1ms)  290p.s! 

3.  m<  l 

The  situation  is  considerably  better  for  the  case  where  Ai  =  200 
and  m  =  54,  but  intolerable  nevertheless.  The  closed-loop 
transfer  function  is 


~  r    1    i  r '  +  5Qr,p  i 


.1  +  I.0I5t 

Again,  it  is  a  unit  lag  of  about  Tx,  cascaded  with  a  lead-lag.  In 
this  case,  there  is  an  initial  value  of  50/49.2,  with  a  decay 
time  constant  of  49.2rx.  The  settling  from  1.016  to  1.0001 
requires  160:1,  or  about  5  time  constants.  In  the  case  of  rx  = 
O.llis,  the  final  settling  occurs  after  about  25Ms. 

♦"Ideal"  in  terms  of  input  and  output  impedances,  CMRR,  and  every 
other  respect,  except  gain  and  frequency  response. 


In  the  above  examples,  neglecting  the  initial  fast  settling 
interval  accounted  for  a  conservative  7  time  constants  (i.e.,  for 
settling  to  well  within  0.1%),  or  about  0.7jls. 

APPROXIMATION 

A  reasonable  approximation  for  pole-zero  mismatch  response 
calculations,  especially  for  m  closer  to  unity  than  in  the 
exaggerated  example  above,  is  to  assume  that  the  amplifier 
settles  to  within  1/A[  initially  in  exponential  manner,  with 
time  constant  r  ,  The  number  of  time  constants  can  be 
estimated  quickly  from  the  table  in  figure  4.  The  amount  of 
overshoot  or  undershoot  (positive  for  overshoot)  is  roughly 
(m  -1)/A, .  The  final  settling  time  constant  is  about  mA|Tx. 


(continued  on  the  next  page) 
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EXPERIMENTAL  RESULTS 

The  circuit,  Bode  plot,  and  results  of  a  low-frequency  simula- 
tion of  an  amplifier,  in  which  Tx  =  2  x  10~4 ,  A]  =  20,  and  m  is 
equal  to  1,  %,  and  2,  are  shown  in  Figure  14.  In  each  photo- 
graph, three  traces  are  shown,  corresponding  to  unity,  xlO, 
and  xlOO  magnification  of  the  error  band  (i.e.,  the  final  settling 
interval).  In  this  example,  the  amplifier  simulated  was  con- 
nected as  a  unity-gain  inverter.  The  reason  the  simulation  was 
performed  at  low  frequency  was  to  retain  as  complete  as 
possible  control  over  the  idealized  characteristic,  eliminating 
slewing  phenomena,  dielectric  absorption,  etc. 


OUTPUT 


Circuit  Schematic  For  Figures  14a,  b,  and  c. 
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Zero  Match  (Low  Frequency  Model) 
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Testing  Op  Amp  Settling  Times 

Wurcer  and  Charles  Kitchin 


BASIC  EQUIPMENT  FOR  TESTING  op- 

amp  settling  times  consists  of  a 
high-quality  (and  expensive)  "flat- 
top" pulse  generator  as  input  to  the 
DUT,  a  DUT  test  jig  with  power 
supply  and  bypass  capacitors  at  op- 
amp-socket  supply  pins,  and  an  os- 
cilloscope to  process  and  display 
test  output.  Proper  use  of  a  pulse 
generator  containing  a  reed  switch 
can  achieve  the  same  result. 

Settling-time  tests  require  flat- 
waveform  inputs  because,  through- 
out most  of  their  frequency  ranges, 
op-amps  behave  as  integrators. 
Therefore,  their  error-signal  out- 
puts are  derivatives  of  input  sig- 
nals. The  derivative  of  an  ideal- 
square-wave  input  consists  of  a 
pulse  at  each  edge  transition  and 
zero  everywhere  else.  Any  aberra- 
tions in  the  input  square  wave  ap- 
pear in  the  error  signal.  Many 
bench-top  square-wave  generators 
exhibit  thermal  "tails"  and  other 
problems  that  limit  their  suitability 
for  measuring  settling  times. 

Figure  1  shows  a  practical  circuit 
for  measuring  the  settling  time  of 
high-speed  op  amps.  In  this  case,  a 
commercial  flat-top  pulse  generator 
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FIGURE  1.  A  practical  circuit  for  measuring  high-speed-op-amp  settling  time.  The 
DUT-output-to-scope-input  connection  requires  50  CI  coax  less  than  one  foot  long. 
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drives  the  input.  Figure  2  shows 
the  scope's  output  waveform  for  a 
typical  high-speed  device.  The  er- 
ror-signal output  from  DUT  Al  is 
clamped,  then  amplified  by  op-amp 
A2  and  clamped  again.  A2,  a  very 
high-speed  device,  provides  a  volt- 
age gain  of  10,  amplifying  the  error- 
signal  output  by  a  factor  of  five. 
The  clamps,  each  consisting  of  two 
high-speed  Schottky  diodes,  pre- 
vent overloading  the  input  of  A2 
and  the  scope  preamp.  An  undam- 
ped high-intensity  "tail"  could  ex- 
ceed the  desired  error  signal  itself. 
We  chose  a  Tektronix  scope  preamp 
type  7A26  because  it  can  recover 
from  the  0.4-V  clamped  signal 
quickly  enough  to  accurately  meas- 
ure the  DUT's  135-ns  settling  time. 

This  test  setup  uses  coaxial  cable 
to  connect  the  pulse-generator  out- 
put to  the  test-fixture  input  and  to 
connect  the  fixture  output  to  the 
oscilloscope-preamp  input.  Coax 
provides  shielding  between  input 
and  output  signals  and  maintains  a 
constant  impedance  throughout  the 
frequency  range.  Audio-type 
shielded  or  unterminated  coax  wir- 
ing would  produce  widely  varying 
responses  with  changing  frequency, 
causing  gross  measurement  errors. 

Unfortunately,  high-quality  flat- 
top pulse  generators  are  both  ex- 
pensive and  difficult  to  find.  A  pulse 
generator  incorporating  a  reed- 
relay  switch,  such  as  the  arrange- 
ment in  Figure  3,  can  also  provide 
high-quality  flat-top  pulses.  The 
contact  release  of  a  mercury-wetted 
reed  relay  creates  an  extremely  fast 
current-flow  interruption.  Note 
that  the  DUT-output/oscilloscope 
connection  must  be  both  short  and 
direct.  For  example,  the  DUT  card 
can  plug  directly  into  the  preamp 
input  using  a  male  chassis-mount 
BNC  connector  to  convey  the  signal 
and  hold  the  card  onto  the  oscillo- 
scope. 

Figure  4  illustrates  the  reed 
switch's  internal  workings,  showing 
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FIGURE  2.  The  oscilloscope's  output 
waveform  for  a  typical  high-speed  de- 
vice, using  the  equipment  in  Figure  1. 
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FIGURE  3.  A  test  circuit  including  a  pulse  generator  that  contains  a  reed-relay 
switch  can  provide  a  flat-top  pulse  of  the  highest  quality. 
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FIGURE  4.  The  reed  switch's  internal  workings. 


that  the  circuit  becomes  totally  pas- 
sive in  this  arrangement.  There- 
fore, pulse  quality  depends  solely 
on  coax-cable  settling  time.  For 
pulse  edges  of  about  10  ns  and 
faster,  settling  time  can  vary  dra- 
matically from  case  to  case.  This  de- 
sign permits  bypassing  the  circuit, 


when  necessary.  However,  reed 
switches  only  permit  very  low  repe- 
tition rates,  from  about  100  Hz  to 
about  2  kHz.  A  test  can  overcome 
this  limitation  by  capturing  and  av- 
eraging repetitive  waveforms  on  a 
scope. 
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JFET-lnput  Amps  Are  Unrivaled  for  Speed  and  Accuracy 


■ 


JFET-input  amplifiers  provide  an  economical  means  of  achiev- 
ing high  accuracy  in  applications  that  need  wide  bandwidths 
for  large  signals.  They  are  ideal  for  pulse  amplifiers,  fast  D/A 
converters,  peak  detectors,  and  logarithmic  amplifiers. 

JFET-input  operational  amplifiers  are  an  option  for  designers 
who  require  speeds  greater  than  those  provided  by  standard 
bipolar  op  amps  such  as  the  OP-07.  The  high  slew  rates  of 
JFET-input  amplifiers  make  these  devices  attractive  for  pulse 
amplification  and  other  applications  that  require  wide  band- 
widths  and  handle  large  signals.  Their  low  bias  currents  make 
them  equally  suitable  for  peak  detectors  and  logarithmic 
amplifiers.  Furthermore,  their  fast  settling  rates  make  them 
ideal  for  fast,  high-precision  DACs. 

To  obtain  the  full  performance  of  which  JFET-input  amplifiers 
are  capable,  you'll  need  to  take  all  the  standard  precautions  in 
designing  and  laying  out  your  pc  boards,  along  with  a  few 


Henry 

extra  precautions  that  are  specific  to  JFET-input  devices  (see 
"Caveats,  warnings,  and  design  reminders"). 

A  JFET-input  amplifier  can  help  a  CMOS  D/A  converter 
achieve  a  fast  settling  time  while  converting  the  DACs  current 
output  into  voltage  levels  and  reducing  output  impedances. 
You'll  obtain  the  fastest  settling  times  from  bipolar  DACs, 
because  they  have  lower  output  capacitance  than  their  CMOS 
counterparts,  but  CMOS  devices  have  the  advantages  of  low 
price  and  the  availability  of  a  wide  variety  of  interface  options. 
The  primary  disadvantage  of  CMOS  DACs  is  their  large  out- 
put capacitance,  which  can  be  50  to  120  pF  for  an  8-bit  DAC, 
and  as  much  as  70  to  150  pF  for  a  12-bit  DAC.  This  large 
capacitance  increases  the  settling  time.  However,  if  you  add  a 
JFET-input  amplifier  (such  as  PMI's  OP-42)  to  create  a  vol- 
tage output,  you  can  compensate  for  the  DACs  output  capac- 
itance. A  CMOS  DAC  will  then  settle  in  approximately  3^s  to 
within  0.01%  of  a  10V  full-scale  output  step. 
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FIGURE  1:  This  autozeroing  amplifier  multiplexes  seven  inputs  to  a  common  output.  The  eighth  input  grounds  the  input  of 
IC2  to  zero  the  amplifier's  offset  voltage.  Before  you  select  a  signal,  hold  the  three  address  lines  high  for  200>s  to  ensure 
proper  zeroing. 
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The  offset  voltage  of  many  older  JFET  amplifiers  suffered 
from  large  thermal  drifts.  However,  newer  state-of-the-art 
precision  JFET-input  amplifiers  exhibit  relatively  little  drift 
with  temperature,  and  the  resulting  output  error  is  generally 
insignificant  unless  you  operate  the  amplifier  at  a  high  gain 
level.  If  your  application  requires  the  minimum  possible  offset 
error,  however,  you  can  use  a  servo  loop  that  automatically 
corrects  offset-voltage  and  drift  errors.  In  Figure  1's  circuit, 
for  example,  ICi  multiplexes  eight  analog  channels  to  the 
input  of  an  OP-42  or  OP-44  amplifier,  which  has  a  gain  of  100. 
One  of  the  analog  channels  grounds  the  amplifier  input  in 
order  to  correct  for  Vqs  (offset)  errors;  the  other  channels  are 
available  for  signals. 

To  correct  V0s  errors  during  a  conversion,  you  first  drive  the 
three  multiplexer-address  lines  (A,  —  A3)  high,  so  that  multi- 
plexer IC-i  grounds  the  input  of  JFET-input  amplifier  IC2.  At 
the  same  time,  AND  gate  IC3  drives  the  Zero  line  low  and 
thereby  causes  the  switching  circuitry  consisting  of  transis- 
tors Q1  and  Q2  to  turn  on  JFET  switch  Q3.  This  action  con- 
nects JFET-input  amplifier  IC4  into  the  feedback  path  of  IC2 
via  that  IC's  null  pins  (1  and  5)  and  thereby  forces  the  output  of 
IC2to  assume  the  value  of  the  offset  voltage  at  the  input  of  IC4. 
The  current  in  the  feedback  loop  then  develops  a  voltage 
across  hold  capacitor  Ch- 

KEEP  LEAKS  AWAY  FROM  CORRECTION  CIRCUITRY 

After  a  time  period  that's  determined  by  the  RC  time  constant 
of  R  iCh  and  the  current  through  Q3,  you  can  change  the 
multiplexer  address  so  that  the  Zero  line  goes  high  and  turns 
off  Q3.  The  voltage  across  CH  holds  the  output  of  IC4  (which  is 
also  the  offset-voltage  compensation  for  IC2).  ICt  has  a  rela- 
tively long  switching  time,  so  Q3turns  off  before  IC ,  connects 
a  new  input  to  IC2;  consequently,  the  signal  cannot  leak  into 
c 


tion  factorto  the  DAC,  which  in  turn  applies  an  analog  nulling 
voltage  to  pin  1  of  I C2.  This  modification  is  of  value  in  applica- 
tions that  digitize  the  output  of  IC2,  and  it  has  the  advantage 
that  digital  correction  circuits  do  not  droop  with  time.  How- 
ever, the  scheme  is  a  needless  complication  in  systems  that 
do  not  include  a  juP  for  other  purposes. 

The  level-shifting  circuitry  (D,  and  D2,  Q,  and  Q2)  converts  a 
TTL  signal  to  the  levels  necessary  to  drive  JFET  switches, 
and  you  can  use  the  same  circuit  in  a  wide  variety  of  applica- 
tions. When  the  TTL  input  signal  (Zero)  goes  low,  it  turns  off 
transistor  Qv  This  action  forces  the  base  of  transistor  Q2to 
-15V,  turning  off  Q2  and  holding  the  gate  of  Q3  at  ground 
level.  While  these  conditions  continue,  Q3  presents  a  low 
impedance  to  the  signal  applied  to  it  through  R,.  Conse- 
quently, the  inverting  input  of  IC4follows  the  output  signal  of 
IC2,  and  IC2  charges  CH. 

When  the  TTL  Zero  signal  goes  high  again,  it  turns  on  Q-,  and 
Q2,  which  in  turn  pull  the  gate  of  Q3to  -15V.  This  action  puts 
Q3  into  a  high-impedance  state,  so  that  the  switch  discon- 
nects the  input  of  IC4  from  the  output  of  IC2,  and  IC2  main- 
tains the  charge  across  CH- 

FAST  S/H  AMPLIFIER  EXHIBITS  0.01%  ACCURACY 

The  characteristics  of  JFET-input  amplifiers  make  them  nat- 
ural choices  for  fast  sample-and-hold  (S/H)  amplifiers.  Fig- 
ure 2a's  circuit  has  an  aperture  time  of  80ns  and  can  acquire  a 
10V  step  in  less  than  1  ^s  with  an  accuracy  of  0.1%,  and  in  2jus 
with  an  accuracy  of  0.01%.  The  corresponding  settling  times 
are  100ns  and  300ns,  respectively. 


offset-correction  circuits. 

If  you  use  the  component  values  shown  in  Figure  1,  you 
should  make  sure  that  the  Zero  line  remains  low  for  at  least 
200ms  to  ensure  proper  nulling.  You  can  achieve  a  faster 
nulling  time  by  using  a  JFET  switch  that  has  a  higher  lDSS, 
such  as  a  2N4393,  but  you'll  do  so  at  the  expense  of  increased 
leakage  and  faster  droop.  Some  error  is  induced  by  charge 
injection  through  Q3  into  CH,  but  you  can  minimize  this  error 
by  using  a  large  value  of  CH- 

To  minimize  droop  at  the  output  of  IC4,  make  sure  that  hold 
capacitor  Ch  is  a  low-leakage  type  (such  as  a  polystyrene 
device).  For  higher  precision,  add  a  potentiometer  to  null  the 
offset  voltage  of  IC4.  When  you  use  the  component  values 
shown,  the  droop  of  the  offset  voltage  at  25°C  is  only  1.3/tV/s. 
Near  the  center  of  the  adjustment  range,  each  100mV  of  swing 
at  the  output  of  IC4will  cause  a  shift  of  150*iV  in  the  Vosof  IC2. 
The  circuit  is  capable  of  correcting  as  much  as  10mV  of  offset, 
so  that  it  can  handle  some  system  offsets  in  addition  to  IC2's 
offset. 

YOU  CAN  SUBSTITUTE  DIGITAL  CORRECTION 

If  your  application  requires  digital  correction  of  the  offset 
voltage,  you  can  substitute  an  ADC/DAC  combination  for 
IC4.  With  this  scheme,  when  you  ground  IC2's  input,  the  ADC 
digitizes  the  IC's  output  (offset)  voltage  and  passes  a  correc- 


The  Sample/Hold  control-input  circuit  uses  the  same  level- 
shifting  circuit  used  by  the  autozero  circuit  described  above, 
with  the  addition  of  a  Schottky  clamping  diode  (D3)  and  a 
pull  up  resistor  R-,  to  accelerate  transitions.  Diodes  D4and  D5 
prevent  the  forward-biasing  of  JFET  switches  Q3  and  Q4. 
During  the  sampling  time,  the  JFET  switches  conduct,  so  that 
amplifiers  IC-i  and  IC2  both  operate  at  unity  gain  and 
charges  hold  capacitor  CHi-  The  V0ut  signal  precisely  tracks 
the  V|N  signal. 

When  you  switch  the  control  line  to  the  hold  mode,  the  JFET 
switches  present  a  high  impedance,  so  that  Q3  disconnects 
the  output  of  I C !  from  the  input  of  IC2,  and  Q4allows  IC2to 
charge  hold  capacitor  CH2-  The  charges  on  the  two  hold 
capacitors  then  cause  I C2 to  maintain  the  V0uTsi9nal  at  tne 
sampled  value. 

MATCHED  COMPONENTS  REDUCE  ERRORS 

The  low  bias  current  of  the  JFET-input  amplifiers  and  the  low 
leakage  of  the  JFET  switches  combine  to  minimize  leakage  of 
the  charges  on  CHi  and  CH2.  Furthermore,  you  can  closely 
match  the  remaining  leakage  by  matching  the  capacitor 
values  and  by  using  a  matched  pair  of  JFET  switches  con- 
tained in  the  same  housing.  This  configuration  has  two 
advantages.  First,  it  matches  the  amounts  of  charge  injection 
through  the  switches  into  capacitors  CHi  and  CH2and  there- 
by considerably  reduces  the  hold  step.  In  fact,  adjusting  a 
trimmer  capacitor  connected  in  parallel  with  one  of  the  hold 
capacitors  will  let  you  reduce  the  hold  step  below  1mV. 
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FIGURE  2:  Th/s  /as(  sample/hold  amplifier  (a)  uses  two  hold 
droop.  You  can  see  the  very  small  hold  step  and  the  absence 

Second,  the  scheme  causes  the  l0s  °*  !C2  and  the  leakage 
through  the  matched  JFET  switches  (rather  than  absolute 
leakage  levels)  to  control  the  voltage  droop  at  the  output 
terminal.  Furthermore,  the  output  voltage  is  controlled  by  the 
differential  voltage  between  the  two  capacitors.  The  absolute 
voltages  across  the  capacitors  droop  because  of  IC2's  bias 
current,  but  both  droop  at  the  same  rate,  making  this  voltage 
change  appear  as  a  common-mode  effect.  The  differential 
voltage  is  controlled  by  l0s.  which  is  usually  much  smaller 
than  lB.  IC2  can  maintain  a  constant  output  voltage,  even 
though  the  actual  voltage  levels  on  the  two  capacitors  may 
change  considerably  during  the  hold  period.  In  Figure  2a's 


capacitors  to  minimize  both  the  hold-step  effect  and  the  output 
of  droop  in  the  scope  photo  (b). 


circuit,  this  scheme  reduces  the  droop  rate  to  7/iV/ms.  Figure 
2b  shows  a  sine  wave  applied  to  the  S/H  circuit,  and  the 
resulting  samples  at  the  output. 

The  control  provided  by  these  differential  voltages  breaks 
down  when  their  absolute  values  fall  below  the  minimum 
input  voltage  of  IC2.  However,  that  condition  will  typically  not 
occur  until  several  seconds  have  elapsed.  You  can  reduce 
both  the  hold  step  and  the  droop  rate  even  more  by  using 
larger  values  for  the  capacitors,  but  you'll  then  sacrifice  some 
speed.  (For  more  on  the  examination  of  errors,  see  "Calculat- 
ing error  magnitudes.") 
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You  can  exploit  the  low  bias  currents  inherent  in  a  JFET- 
input  amplifier  to  create  a  fast  peak  detector  (Figure  3a)  that 
can  capture  a  10V  peak  only  2.5/iS  wide.  This  circuit  uses  the 
level  shifter  employed  by  the  two  previous  circuits,  but  it  does 
not  drive  any  FET  switches.  Instead,  a  Reset  command 
causes  Q2  to  discharge  hold  capacitor  Ch  directly. 

After  a  reset  operation,  the  voltage  across  Ch  is  negative,  so 
the  circuit  will  detect  very  small  peaks  even  if  the  ac  signal 
has  a  negative  dc  offset.  Be  aware,  however,  that  the  reset 
method  prevents  this  circuit  from  detecting  negative  peaks. 
The  droop  rate  is  3mV/ms  and  is  mainly  due  to  leakage  of  the 
charge  on  Ch  through  Q2;  diode  D5  contributes  very  little 
charge  leakage,  because  it  operates  with  only  a  small  voltage 
across  it.  The  action  of  the  circuit  is  illustrated  in  Figure  3b. 

You'll  find  that  JFET-input  amplifiers  yield  excellent  perfor- 
mance in  logarithmic  amplifiers.  Figure  4's  circuit  follows  the 
usual  log-amp  configuration,  in  which  the  logarithm  (to  base 
10)  of  the  input  voltage  is  derived  from  the  differential 
between  the  threshold  voltages  of  two  transistors  (Q-)  and 
Q3).  A  precision  reference  source  (IC2)  sets  the  collector 
current  of  Q3,  and  the  input  voltage  controls  the  collector 
current  of  Q,.  You  can  derive  the  threshold  voltages  (VT)  of 
the  transistors  using  the  following  equation: 


VT=  (kT/q)ln(Ic/Is), 

where  q  is  the  electronic  charge,  T  is  the  temperature,  and  k  is 
Boltzmann's  constant.  The  difference  in  VT  between  the  two 
transistors  is  then 

AVT=(kT/q)[(lnICiHlnIc3)]. 

The  output  voltage  is  AVj  multiplied  by  a  factor  appropriate 
to  your  application.  The  circuit  scales  the  output  for  1V  per 
decade  with  a  zero-crossing  at  an  input  voltage  of  100mV.  For 
a  V,N  greater  than  zero,  this  configuration  yields  a  transfer 
function  of 

V0UT  =  -[log(VIN/RIN)  +  4] 

(for  V0UT  in  volts  and  the  quantity  V|N/R!N  in  amps).  The 
circuit  operates  correctly  for  inputs  from  1  mV  to  more  than 
10V. 

The  above  equations  show  that  the  temperatures  of  the  log- 
conversion  transistors  have  a  direct  effect  on  the  output 
voltage.  Conventional  circuits  provide  temperature  correc- 
tion by  using  a  thermistor  instead  of  a  resistor  in  place  of  R7. 
This  circuit  uses  a  special  method  to  provide  an  isothermal 
environment  for  the  log  -conversion  transistors. 
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FIGURE  3:  This  peak  detector  (a)  can  capture  a  10V  peak  that's  only         wide.  After  a  reset  it  can  detect  very  small  peaks 
even  if  the  ac  signal  has  a  negative  dc  offset.  The  detector's  JFET-input  amplifiers  have  very  low  input  bias  currents  and 
therefore  minimize  leakage  from  the  hold  capacitor.  This  low  leakage  is  responsible  for  the  absence  of  droop  (b). 
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FIGURE  4:  This  logarithmic  amplifier  eliminates  temperature  effects  by  ensuring  that  the  two  log-conversion  transistors  are 
always  at  the  same  temperature.  The  conversion  transistors  are  on  the  same  substrate  as  a  heater  transistor  and  a  tempera- 
ture sensor,  which  are  connected  to  each  other  in  a  feedback  loop. 


The  MAT-04 IC  used  in  this  circuit  is  asymmetric  array  of  four 
transistors  placed  at  the  corners  of  a  square  die.  Two  of  these 
transistors,  located  at  diagonally  opposite  corners,  act  as  the 
log-conversion  elements.  Of  the  remaining  two  transistors, 
one  (Q4)  acts  as  a  heater  and  the  other  (Q2)  acts  as  a  tempera- 
ture sensor.  IC3  forces  the  VT  of  Q2  to  a  specific  value  by 
varying  the  current  through  Q4,  and  it  maintains  this  value  by 
means  of  the  thermal  feedback  between  Q2  and  Q4.  The 
symmetrical  layout  of  the  IC  ensures  that  the  two  log- 
conversion  transistors  are  always  at  exactly  the  same  tem- 
perature. The  component  values  shown  will  maintain  the 
MAT-04  die  at  approximately  60°C. 


This  operation  may  violate  the  rated  specifications  of  the 
MAT-04  package  and  cause  degradation  of  Q4's  /3,  but  it  does 
not  hurt  performance,  because  the  characteristics  of  the 
heater  are  unimportant.  You'll  get  the  best  results  by  encas- 
ing the  MAT-04  package  in  thermally  insulating  foam,  such 
as  the  urethane  foam  used  for  housing  insulation. 

To  null  the  amplifier,  you  begin  by  setting  the  in  put  voltage  to 
1mV.  Adjust  the  offset  voltage  of  ICt  for  an  output  of  3V.  Next, 
raise  the  input  to  10V  and  adjust  the  gain  for  an  output  of -1 V. 
These  two  adjustments  are  interactive,  so  you  may  have  to 
repeat  them  several  times.  You  can  modify  the  zero-crossing 
point  by  changing  the  value  of  resistor  R3. 
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CAVEATS,  WARNINGS,  AND  DESIGN  REMINDERS 

The  following  design  principles  are  critical  for  the  perfor- 
mance of  any  high-speed  amplifier.  They  are  included 
here  as  a  check  list. 

—  Use  separate  supply  traces  and  grounds  for  each 
amplifier. 

—  Bypass  each  supply,  right  at  each  amplifier,  with  a  1  to 
10>F  tantalum  or  electrolytic  capacitor  connected  in 
parallel  with  a  glass  or  ceramic  capacitor  that  has  a 
value  of  0.01  to  1,uF. 

—  Provide  separate  supply  lines  and  ground  lines  for  the 
digital  and  analog  sections  of  your  system. 

—  Switching  power  supplies  can  inject  spikes  of  several 
hundred  millivolts  into  the  supply  lines,  and  they  can 
radiate  EMI.  Shield  the  analog  sections  and  bypass  all 
supply  lines  at  the  point  where  they  enter  the  shielded 
enclosure. 

—  Be  careful  notto  exceed  an  amplifier's  maximum  input- 
voltage  specification.  If  a  signal  could  be  applied 
before  the  amplifier's  supplies  reach  their  full  values, 
provide  clamping  diodes  —  but  remember  that  these 
devices  add  leakage  and  capacitance  to  the  circuit. 

—  Be  careful  not  to  exceed  the  maximum  junction  tem- 
perature or  the  maximum  power-dissipation  ratings  of 
an  amplifier.  If  you  connect  a  capacitive  load  to  the 
output  of  an  op  amp,  be  sure  to  include  in  your  calcula- 
tions the  power  dissipation  caused  by  the  rms  ac  cur- 
rents delivered  to  the  load. 

—  Internal  power  dissipation  raises  an  IC's  junction  tem- 
perature. You  can  find  the  amount  of  the  increase  from 
the  formula  AT  =  PD8JA,  where  Ppis  the  power  dissipa- 
tion and  is  the  thermal  resistance  of  the  package. 
For  8-pin  packages  lacking  a  heat  sink,  this  parameter 
varies  from  90°C/W  (plastic  DIP)  to  200°C/W  (TO-99 
can).  The  junction  temperature  is  the  ambient  tempera- 
ture plus  AT. 

PRECAUTIONS  FOR  JFET  AMPS 

The  following  design  principles  also  have  general  applica- 
tion, but  the  focus  here  is  on  their  implications  for  design- 
ing with  JFET-input  op  amps. 

First,  remember  that  a  rise  in  junction  temperature  in- 
creases the  bias  current  of  a  JFET-input  op  amp;  a  rise  of 
10°C  may  double  the  bias  current.  JFET-input  op  amps 
have  a  naturally  low  bias  current,  however;  for  PMI's  OP- 
42,  for  example,  the  current  is  only  200pA  at  room  temper- 
ature and  less  than  20nA  over  the  full  military  temperature 
range.  The  errors  produced  by  such  small  currents  are 
usually  insignificant;  at  a  slew  rate  of  100V//is,  you  would 
need  a  current  of  1  mA  to  drive  stray  capacitances  amount- 
ing to  only  10pF.  Although  some  JFET-input  op  amps  use 
cancellation  methods  to  derease  bias  current,  these  tech- 
niques can  create  excessive  phase  shifts  in  high-speed 
amplifiers. 

Remember  also  that  the  slew  rate  of  an  op  amp  varies 
according  to  the  voltage  difference  between  its  two  inputs. 


If  you  want  to  achieve  the  maximum  slew  rate  specified  in 
the  data  sheet,  you  must  ensure  a  difference  of  about  2V 
between  the  inputs  of  a  JFET-input  op  amp  so  that  one 
side  of  the  op  amp's  differential-input  circuit  turns  com- 
pletely off.  At  unity  gain,  such  voltages  are  normal,  but  in 
circuits  that  have  a  higher  gain,  the  input-voltage  levels 
— and  hence  the  slew  rate  —  decrease.  A  JFET-input  op 
amp  that  yields  a  slew  rate  of  60V/^s  at  unity  gain  might 
yield  only  20V/^is  if  you  operate  it  at  a  gain  of  100  with  a 
±100mV  input  signal. 

You  should  also  keep  in  mind  that  an  amplifier  that  has  a 
high  slew  rate  or  a  wide  bandwidth  doesn't  necessarily 
settle  fast.  Many  amplifiers  with  high  slew  rates  obtain 
their  speed  at  the  cost  of  inducing  excessive  ringing  in  the 
output  waveform;  this  ringing  increases  the  settling  time. 
Remember,  too,  that  the  ac  characteristics  of  some  ampli- 
fier types  vary  widely  from  part  to  part.  Datasheets  usually 
specify  a  typical  settling  time.  Very  few  vendors  guarantee 
a  maximum  value. 

VARYING  COMPENSATION 

Most  JFET-input  op  amps  have  input  capacitances  from  4 
to  8pF.  A  small  capacitor  placed  across  the  feedback  resis- 
tor compensates  for  the  pole  created  by  the  input  capacit- 
ance. The  amount  of  compensation  needed  depends  on 
the  performance  you  expect  from  the  amplifier.  Critical 
damping  may  give  the  fastest  settling  times  to  within  very 
narrow  error  bands.  In  general,  however,  you'll  improve 
the  settling  time,  even  to  error  bands  as  small  as  0.01%,  by 
providing  compensation  that  yields  slight  underdamping. 
The  optimum  compensation  is  a  function  of  the  circuit  and 
its  layout,  and  you'll  have  to  determine  its  value  by 
experiment. 

Proper  compensation  becomes  critical  when  you  use  an 
op  amp  to  convert  the  current  output  of  a  DAC  to  a  voltage 
output.  The  output  capacitance  of  the  DAC,  in  parallel 
with  stray  capacitance  and  the  input  capacitance  of  the  op 
amp,  exacerbates  any  ringing  and  instability  problems 
and  you'll  have  to  optimize  the  compensation  for  the  com- 
bination of  settling  speed  and  accuracy  that  you  want. 

The  gain-bandwidth  product  (GBW)  is  adequate  to  des- 
cribe the  ac  response,  at  any  frequency,  of  single-pole 
amplifiers  such  as  the  741.  The  more  complex  design  of  a 
JFET-input  op  amp  such  as  PMI's  OP-42  yields  higher 
slew  rates  with  greater  stability,  but  it  distorts  the  meaning 
of  the  GBW.  Nevertheless,  you  can  derive  an  approxima- 
tion of  the  cutoff  frequency  for  any  closed-loop  gain 
(AVCL)  from  the  following  formula: 

fc=(GBW/AVCL). 

This  approximation  is  adequate  for  most  purposes  and  is 
valid  for  most  amplifiers,  including  PMI's  OP-42  and 
OP-44. 

The  slew  rate  (SR)  of  an  amplifier  largely  determines  the 
maximum  frequency  at  which  it  can  operate  with  large 

Continued 
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signals.  You  can  calculate  this  frequency  (known  as  the 
power  bandwidth,  or  BWP)  from  the  equation  BWP  = 
SR/(n-Vp.p).  An  amplifier  such  as  the  OP-42,  which  has  a 
50V/jis  slew  rate,  can  operate  at  frequencies  above  800kHz 
with  only  1%  distortion  on  a  20Vp.psignal.  The  OP-44  has  a 
BWP  that's  greater  than  1.5MHz;  it  achieves  a  slew  rate  of 
100V/jus  in  applications  that  have  a  closed-loop  gain 
greater  than  three. 

PMI's  OP-42  guarantees  settling  times  of  1/jS  or  less  to  an 
accuracy  of  0.01%  —  that  is,  to  within  ±1  mV  error  bands  — 


for  a  10V  input  step.  You  can  approximate  settling  times  for 
input  steps  other  than  10V  by  subtracting  the  slew  time 
from  the  specification  and  adding  the  slew  time  for  the 
desired  output  change.  For  example,  to  obtain  the  settling 
time  for  a  1 V  step,  subtract  the  slew  time  for  10V  (167ns  at 
60V/jiS)  from  the  800ns  typical  settling  time.  To  this  result 
(800  -  167  =  633ns)  add  the  slew  time  for  1V  (16.7ns)  to 
obtain  a  calculated  settling  time  of  approximately  650ns  to 
0.01%.  The  OP-42's  measured  settling  time  for  a  1  Vstep  is 
somewhat  better,  being  less  than  600ns. 


■ 




operating  frequency  moves  away  from  the  500kHz  cutoff 
frequency  (fc). 

You  can  obtain  an  approximate  value  of  the  error,  for  any 
frequency  f,  from  the  formula 

eA=1/2(f/fc)2, 

down  to  the  frequency  at  which  the  formula  yields  a  value 
that's  less  than  the  dc  value.  In  Figure  1  's  circuit,  this  point 
occurs  at  10kHz.  Because  the  amplitude  error  is  primarily 
a  function  of  fc,  operating  the  amplifier  at  a  lower  closed- 
loop  gain  would  result  in  a  significantly  smaller  error  at 
any  given  frequency. 

You  can  calculate  the  noise  by  multiplying  the  square  root 
of  the  bandwidth  by  the  rms  noise  density.  In  a  wideband 
amplifier,  the  noise  is  dominated  by  the  high-frequency 
flatband  noise,  rather  than  by  the  higher-density  low- 
frequency  noise.  For  PMI's  OP-42  amplifier,  the  flatband- 
noise  density  is  typically  12nV/^Tiz  .  To  get  an  idea  of  the 
worst-case  performance,  use  15nV/\/Tiz  ,  which  yields  a 
value  of  10.6mV  rms  at  the  input  and  1mV  at  the  output. 
Always  use  the  full  bandwidth  of  the  circuit  for  noise 
calculations,  because  noise  frequencies  higher  than  the 
maximum  signal  frequency  can  alias  into  the  lower  fre- 
quencies and  affect  the  final  value. 

You'll  see  that,  because  error  terms  sum  in  an  rms  fashion, 
gain  error  is  the  dominant  source  of  error.  The  OP-42  and 
OP-44  amplifiers  minimize,  but  do  not  eliminate,  these 
errors.  Consequently,  you'll  find  that  the  output  of  the 
autozeroing  amplifier  is  accurate  to  within  0.5%  at  50kHz, 
and  to  within  0.02%  at  frequencies  below  10kHz,  with  the 
addition  of  a  7mV  noise  contribution  and  2.5mV  of  offset 
error. 

These  gain-stage  errors  are  passed  on  to  the  S/H  ampli- 
fier, which  has  its  own  sources  of  error,  arising  from  aper- 
ture time  and  aperture  jitter,  hold  steps,  droop,  and  finite 
CMR  (think  of  the  entire  circuit  of  Figure  2  as  the  S/H 
stage).  However,  because  the  amplifiers  of  the  S/H  stage 
operate  at  unity  gain,  they  eliminate  gain  error  that's 
caused  by  bandwidth  limitations  or  high  closed-loop  gain, 
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CALCULATING  ERROR  MAGNITUDES 

For  a  concrete  example  on  which  to  base  an  examination 
of  errors,  assume  a  circuit  consisting  of  the  autozeroing 
amplifier  of  Figure  1  as  the  first  stage,  and  the  S/H  ampli- 
fier of  Figure  2  as  the  second  stage.  Provide  zeroing  pulses 
to  the  amplifier  in  the  first  stage  once  every  milli-second  to 
eliminate  thermal  drifts  and  offset  problems. 

For  the  purposes  of  this  discussion,  assume  that  IC2  is  a 
PMI  OP-44,  with  a  GBW  of  50MHz  (think  of  the  entire 
circuit  of  Figure  1  as  this  gain  stage).  Because  IC2  oper- 
ates with  a  gain  of  100,  the  system  bandwidth  is  500kHz 
before  signals  enter  the  S/H  amplifier.  The  S/H  circuit 
yields  2.5/^s  acquisition  times  and  holds  the  output  for 
18^s;  consequently,  the  sampling  bandwidth  is  50kHz. 
Assume  that  the  power  supplies  are  well  regulated  so  that 
you  can  ignore  power-supply  rejection.  Also,  ignore 
phase  errors. 

ASSESSING  GAIN-STAGE  ERRORS 

In  the  first  stage,  errors  arise  primarily  from  finite  gain, 
common-mode  rejection  (CMR),  and  noise.  Servo  ampli- 
fier IC4  nulls  IC2's  offset  voltage  and  drift;  these  values  are 
no  greater  than  1  m  V  over  the  full  temperature  range,  with- 
out additional  adjustment.  The  drift  is  negligible  during 
the  periods  between  nulling.  IC4also  nulls  the  offset  vol- 
tage caused  by  bias  current  flowing  through  the  multi- 
plexer. If  you  assume  that  source  impedances  are  no 
greater  than  1  kfl,  then  the  contribution  traceable  to  bias 
current  is  less  than  1.5>iV  x  AVCL,  or  an  additional  1.5mV. 
(This  includes  leakage  current  from  the  switches  in  the 
MUX-08.)  At  dc,  the  common-mode  error  is  only  0.004% 
(essentially  nonexistent),  but  at  50kHz  the  CMR  falls  to 
70dB  and  can  contribute  an  error  of  0.03%. 

You  can  express  open-loop  gain  errors  as  a  percentage  of 
the  signal;  at  dc,  these  errors  are  approximately  equal  to 
the  percentage  calculated  from  AVCL/AVOL.  Both  the  OP- 
42  and  the  OP-44  have  an  open-loop  gain  of  more  than 
500,000.  At  dc,  the  gain  error  is  less  than  0.02%,  but  at 
50kHz,  gain  errors  can  contribute  amplitude  errors  as  high 
as  0.5%.  The  amplitude  error  decreases  rapidly  as  the 
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and  they  greatly  reduce  the  other  errors  associated  with 
the  multiplexed  stage. 

You  can  simplify  matters  by  eliminating  the  input  amplifier 
(ICi)  and  driving  the  S/H  buffer  (IC2)  directly  from  the 
output  of  the  multiplexed  stage.  Then  the  primary  source 
of  error  affecting  the  output  will  consist  of  the  hold  step 
(1mV)  and  acquisition  error  (0.01%).  Errors  arising  from 
aperture  uncertainty  and  aperture  jitter  will  be  minor  and 
will  add  no  more  than  0.01%. 

The  CMR  error  can  be  more  significant,  depending  on  the 
frequency.  It's  difficult  to  estimate  what  frequency  to  use 
for  calculating  errors  in  the  S/H  stage;  some  designers  use 
the  dc  specifications,  on  the  assumption  that  the  amplifier 
operates  in  dc  mode  after  the  hold  settling  time.  This 
assumption  would  be  true  for  long  hold  times,  but  in  fact 
the  S/H  stage  not  only  reproduces  the  primary  waveform 
but  also  adds  high-frequency  components  to  form  steps. 
For  this  reason  you  should  always  use  actual  operating 
frequencies  in  your  error  calculations.  Consequently,  at 
50kHz,  the  70dB  CMR  of  the  OP-42  amplifier  can  contrib- 
ute 0.03%  error.  The  error  terms  again  sum  in  rms  fashion 
to  yield  a  total  of  slightly  less  than  0.04%  error  from  the 


S/H  stage.  Noise  is  negligible  in  comparison  with  that 
delivered  by  the  gain  stage,  and  the  dc  offset  is  simply  that 
of  the  OP-42,  an  additional  0.75mV. 

IMPROVING  PERFORMANCE 

The  total  system  error  for  both  the  gain  stage  and  the  S/H 
stage  consequently  becomes  approximately  0.05%  at  fre- 
quencies less  than  10kHz  and  increases  to  0.5%  at  50kHz. 
This  is  in  addition  to  the  7mV  noise  contribution  and 
2.25mV  dc  offset.  You  could  eliminate  gain-stage  errors  by 
cascading  two  amplifiers,  each  with  again  of  10,  instead  of 
using  a  single  amplifier  with  a  gain  of  100.  The  error  terms 
contributed  by  the  S/H  stage  would  dominate  in  such  a 
configuration. 

You  can  calibrate  and  eliminate  many  of  the  error  terms 
discussed  above.  For  exam  pie,  in  a  system  that  uses  a  fast 
Fourier  transform  to  examine  the  spectral  content  of  a 
waveform,  you  could  apply  a  correction  factor  to  correct 
for  gain  roll-off  at  high  frequencies.  You  could  also  correct 
for  CMR  errors  by  applying  an  additional  correction  factor 
based  upon  the  signal  level.  DC  offsets  are  simply  elimi- 
nated by  subtracting  a  constant  term  from  the  signal. 
Noise  can  be  eliminated  only  by  averaging  many  repetitive 
signals. 
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Careful  Design  Tames  High  Speed  Op  Amps 

by  Joe  Buxton 


Operational  amplifiers  continuously  push  the  lim- 
its of  speed  and  bandwidth.  Today's  high-speed 
IC  op  amps  reach  gain-bandwidth  products  in 
the  hundreds-of-megahertz  range — numbers 
unheard  of  just  a  few  years  ago.  With  such  per- 
formance, designers  must  be  extremely  careful 
in  preserving  the  op  amp's  stability  without  sacrificing  bandwidth.  Circuits  and 
layouts  previously  used  when  designing  with  lower-frequency  devices  must  be 
rethought  in  detail.  Otherwise,  circuit  stability  and  ac  performance  can  be  im- 
paired significantly. 

Many  factors  cause  instability  in  high-speed  op  amps.  These  include  capaci- 
tive  loading,  inadequate  power  supply  bypassing,  input  capacitance,  and  lead- 
lag  compensation.  Designers  have  dealt  with  both  capacitive  loading  and  supply 
bypass  problems  for  some  time.  But  at  high  frequencies,  their  effects  are  more 
critical  and  potentially  harmful.  Moreover,  input  capacitance  and  lead-lag  com- 
pensation are  usually  ignored  for  lower-frequency  circuits.  Now  their  consider- 
ation is  vital. 

Driving  a  capacitive  load  is  one  of  the  most  troublesome  and  difficult  prob- 
lems to  overcome  because  it  can  easily  cause  circuit  oscillation.  When  combined 
with  an  amplifier's  output  resistance  (R0),  a  capacitive  load  (CJ  creates  a  pole  in 
the  feedback  loop  that  increases  the  closed-loop  phase  shift  (Fig.  1).  Depending 
on  its  frequency,  the  phase  shift  can  reduce  phase  margin,  potentially  causing 
the  circuit  to  become  unstable.  This  phase  shift  is  easily  calculated  from  the  pole 
frequency  (fc): 

fc  =  \/(2ir'R0Cl) 

Additional  phase  shift  =  TAN"1  (f „/fc) 

where  fu  is  the  open-loop  unity-gain  frequency  (the  op  amp's  unity-gain  band- 
width). ° 

To  verify  these  equations,  compare  the  open-loop  gain  and  phase  responses  of 
a  10-MHz,  unity-gain-stable  op  amp,  such  as  the  OP-42  with  and  without  a  capac- 
itive load  (Fig.  1,  again).  The  network  analyzer  plots  indicate  the  no-capacitive- 
load  condition  (Fig.  la).  They  also  show  a  loading  of  450  pF  (Fig.  lb).  The  450-pF 
capacitive  load  combined  with  the  OP-42's  45-n  output  impedance  introduces  a 
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1.  A  CAPACITIVE  LOAD  (CL)  combines  with  an  op  amp's  output  impedance  (R0)  to 
alter  the  gain  and  phase  response,  and  thus  the  phase  margin.  The  upper  curves  (a)  are  for 
an  unloaded  device,  the  lower  curves  (b)  are  for  the  same  op  amp  driving  a  450-pF  load. 


pole  at  fc  =  8  MHz.  This  results  in  an 
additional  45°  of  phase  shift.  Conse- 
quently, what  used  to  be  a  stable  cir- 
cuit with  50°  of  phase  margin  de- 
grades to  a  phase-margin  of  only  5° — 
potentially  causing  instability. 

Classy  Classics 

The  classical  way  to  maintain  sta- 
bility is  to  compensate  for  load  ca- 
pacitance by  adding  a  resistor  (Rx)  in 
series  with  the  amplifier's  output  im- 
pedance and  a  shunt  capacitor  (CF)  in 
the  feedback  path  (Fig.  2,  left).1  The 
basic  technique  requires  adding  the 
proper  shunt  capacitance  and  series 
resistance  so  that  the  external  feed- 
back network  adds  a  net  0°  of  phase 
shift  to  the  loop.  Amplifier  stability 
depends  on  the  phase  shift  of  the  sig- 
nal that's  fed  back  to  the  op  amp's 
inverting  input.  The  signal's  phase 
shift  must  be  less  than  180°  when  the 
loop  gain  is  greater  than  or  equal  to 
1.  If  the  feedback  network  contrib- 
utes 0°  of  phase  shift,  the  signal  is 
only  phase  shifted  by  the  op  amp.  As- 
suming the  op  amp  has  enough 
phase  margin  for  the  particular  gain 
used,  stability  is  ensured. 

Now  that  the  stability  goal  of  the 
feedback  network  is  established, 
how  is  it  achieved?  Redrawing  the 


external  feedback  network  helps 
clarify  the  analysis  (Fig.  2,  right). 
Each  capacitor  contributes  a  pole 
and  a  zero  to  the  feedback  network. 
Intuitively,  if  the  pole  and  zero  con- 
tribution of  one  capacitor  cancels  the 
zero  and  pole  contribution  of  the  oth- 
er capacitor,  there  will  be  0°  of  phase 
shift.  With  this  in  mind,  just  derive 
the  pole  and  zero  locations  for  each 
capacitor,  then  set  them  equal  to 
each  other  and  solve  for  Rx  and  CF. 
While  it  is  straightforward  in  con- 
cept, the  actual  derivation  is  ex- 
tremely involved  and  time  consum- 
ing. But  it  can  be  approximated  by 
taking  an  intuitive  approach. 

Because  capacitive  reactance 
changes  with  frequency,  it  can  be  as- 
sumed that  a  capacitor  is  an  open  cir- 
cuit at  0  Hz  and  a  short  circuit  at  infi- 
nite Hz.  To  simplify  network  analy- 
sis, this  principle  is  applied  to  one  ca- 
pacitor at  a  time.  For  the  first  case, 
assume  that  Cr  is  a  short  circuit,  re- 
sulting in  both  a  pole  and  a  zero  loca- 
tion as  a  function  of  CL  (Fig.  3a). 
Next  assume  that  CL  is  an  open  cir- 
cuit, again  providing  a  pole  and  a 
zero  location,  but  as  a  function  of  CF 
(Fig.  3b).  Now  there  are  two  poles 
and  two  zeros.  By  equating  the  poles 
to  the  zeros,  the  necessary  value  for 


Rx  and  CF  can  be  found  with  the  fol- 
lowing two  equations: 


=  R0R1N/RF 

:(l+l/ACIj)[(Rr+RIN)/RF2] 
C,  R„ 


where  ACL  is  the  closed-loop  gain. 

By  experimenting,  it  was  found 
that  the  1/ACL  term  needed  to  be  add- 
ed to  the  equation  for  CF.  Just  these 
two  equations  enables  virtually  any 
op-amp  circuit  to  be  compensated  for 
virtually  any  capacitive  load.  A  com- 
plete derivation  performed  at  the 
PMI  division  accurately  predicts  the 
previous  two  equations,  including 
the  l/ACLterm. 

Though  this  method  of  compensa- 
tion yields  a  stable  circuit  for  any  ca- 
pacitive load,  it  reduces  circuit-band- 
width drastically.  The  bandwidth  is 
no  longer  determined  by  the  op  amp, 
but  rather  by  the  external  compo- 
nents. CF  and  RF  dominate,  creating  a 
closed-loop  bandwidth  of: 

f-sdB  =  l/27rCFRF 

To  show  the  limiting  factors,  sub- 
stitute the  equation  for  CF  into  the 
previous  equation  and  simplify: 

f:ldB  =  l/2^CLR()(l+'l/Ac^ 


This  equation  shows  that  the  load 
capacitance  (CJ  and  the  op  amp's 
output  impedance  (R())  need  to  be 
made  as  small  as  possible.  Because 
R0  is  internal  to  the  op  amp,  the  only 
way  to  minimize  it  is  to  choose  an  op 
amp  with  low  R0.  However,  there  is 
much  more  flexibility  in  controlling 
CL.  Consider  all  of  the  possible 
sources  f  or  CL  in  the  circuit  and  try  to 
minimize  them.  For  example,  driving 
an  unterminated  coaxial  cable  can 
add  significant  amounts  of  load  ca- 
pacitance. It's  important  to  back-ter- 
minate the  cable  to  remove  this  ca- 
pacitive load.  A  pc-board  trace  with  a 
surrounding  ground, plane  can  also 
add  a  small  amount  of  capacitance. 
To  reduce  its  capacitive  loading, 
keep  the  trace  short  and  keep  the 
ground  plane  away  from  it.  Even  if 
capacitive  loads  don't  cause  the  cir- 
cuit to  oscillate,  they  should  be  mini- 
mized so  as  not  to  limit  the  closed- 
loop  bandwidth. 

Power-supply  bypassing  is  often 
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dealt  with  by  connecting  a  10-jj.F  tan- 
talum capacitor  in  parallel  with  a  0.1- 
fiF  ceramic  capacitor  between  the 
supply  line  and  ground.  Though  this 
works  in  many  cases,  an  understand- 
ing of  what's  actually  happening 
helps  prevent  oscillations  where  by- 
passing is  critical. 

To  start,  an  equivalent  circuit  of  a 
typical  power  supply  line  with  the  by- 
pass capacitor  in  place  can  be  repre- 
sented by  an  inductor  in  series  with 
the  supply  line  and  a  capacitor  con- 
nected from  the  IC  to  ground.  The 
line  from  the  power  supply  is  far 
from  a  perfect  zero-impedance 
source,  especially  after  it's  routed 
through  a  wiring  harness  and  pc- 
board  trace.  In  addition,  every  sup- 
ply line  has  parasitic  inductance  that 
reacts  with  the  decoupling  capaci- 
tance at  some  frequency.  This 
causes  the  impedance,  as  seen  by  the 
IC,  to  become  infinite  and  experience 
a  rapid  phase  change.  The  op  amp's 
phase  margin  degrades  and  the  cir- 
cuit may  oscillate.  To  see  why  it  may 
oscillate,  calculate  the  equivalent 
parallel  impedance  of  L  and  C  as  seen 
bythelC.Z 


Ze  =sL(l/sC)/(sL+l/sC) 
=  (l/C)s/(s2  +  l/LC) 

where:  s  =  ±j(l/v/LC)  the  complex 
poles  of  the  equation. 

These  complex  poles  cause  the 
equivalent  impedance  to  become  infi- 
nite at  a  frequency: 

f  =  (l/27r)(l/vTC) 

To  show  this,  substitute  the  value 
for  s  into  the  original  equivalent  im- 
pedance equation: 

s=jo.=j(l/vTC) 

Zeil  =  (l/C)s/  |[j(l/vTC)p  +  i/LC) 

Zeq  =  (l/C)s/(-l/LC+l/LC) 

The  denominator  then  goes  to 
zero,  resulting  in  an  expected  infi- 
nite impedance.  In  reality,  the  imped- 
ance does  not  become  infinite  be- 
cause of  line  losses — the  small  para- 
sitic resistances  that  keep  the  de- 
nominator from  going  to  zero.  More 
importantly,  the  phase  almost  in- 
stantly changes  by  -180°  at  the  pole 
frequency. 

Like  the  supply  line,  the  bypass  ca- 


pacitor also  has  a  parasitic  induc- 
tance, the  equivalent  series  induc- 
tance (ESL).  ESL  creates  another 
resonant  frequency  in  combination 
with  the  bypass  capacitor.  But  be- 
cause they're  in  series,  the  capaci- 
tance and  inductance  form  two  ze- 
ros. These  complex  zeros  cause  the 
capacitor's  impedance  to  go  to  zero 
and  the  phase  to  shift  by  +180°.  A 
parasitic  resistance,  the  equivalent 
series  resistance  (ESR)  of  the  capaci- 
tor, dampens  this  response.  Remem- 
ber that  ESR  and  ESL  depend  heavi- 
ly upon  the  type  of  capacitor  used, 
and  thus  should  be  considered. 

A  more  complete  equivalent  by- 
pass circuit  along  with  a  network  an- 
alyzer gain-phase  plot  of  an  actual 
LC  circuit  illustrates  the  transfer 
function  from  the  supply  (Vp)  to  the 
IC's  power  supply  pin  (Vlc )  (Fig.  4). 
Notice  the  large  gain  peak,  combined 
with  -180°  of  phase  shift,  at  the  reso- 
nant frequency: 


Freq.  =  (l/27r)(l/i 


a  MHz 


when  Lp  =  250  nH  and  Cc  =  0.1  oF. 
The  gain  dips  and  the  phase  shifts  by 
+180°  at  16  MHz  for  Cc  =0.1  ixF  and 
Lc  =  lnH. 

What  does  all  of  this  mean  to  the 
op  amp  attached  to  this  supply  line? 
To  start,  a  power  supply  with  high 
impedance  means  that  any  current 
drawn  by  the  op  amp  causes  signifi- 
cant voltage  noise  on  the  power  sup- 
ply line.  Secondly,  any  phase  shift  in 
the  power  supply  can  also  feed  into 
the  op  amp  and  cause  additional 


phase  shifts  on  its  output.  Remem- 
ber that  in  a  transistor-level  analysis 
of  an  op  amp,  the  power  supplies  are 
assumed  to  be  an  ac  ground.  This  is 
true  for  most  frequencies,  but  at  the 
resonant  frequency  (with  the  bypass 
capacitor),  this  ac  ground  becomes  a 
very  high  impedance  with  -180°  of 
phase  shift.  These  phase  shifts  can 
affect  the  output  of  the  op  amp,  de- 
grade the  phase  margin,  and  cause 
the  op  amp  to  oscillate.  This  effect  is 
reduced  somewhat  by  the  power- 
supply  rejection  ratio  (PSRR),  which 
falls  off  at  higher  frequencies.  Un- 
fortunately, resonant  peaks  general- 
ly occur  at  high  frequencies  where 
most  op  amps  are  unable  to  reject  it. 

Wide-bandwidth  op  amps  can  easi- 
ly have  such  a  resonant  frequency 
near  their  0-dB  (unity-gain)  frequen- 
cy, playing  havoc  with  its  gain  and 
phase  characteristics,  and  possibly 
again  causing  oscillation.  For  exam- 
ple, a  network  analyzer  plot  was 
done  on  the  OP-42  with  a  supply  line 
like  that  of  figure  4.  The  plot  clearly 
shows  the  effects  on  the  op  amp's 
output  (Fig.  5). 

The  first  gain  peak  doesn't  appear 
on  the  output  but  the  gain  dip  does. 


PSRR  is  high  enough  at  1  MHz, 
about  45  dB,  to  reject  the  first  peak. 
But  at  15  MHz,  the  PSRR  has  fallen 
to  about  15  dB,  allowing  the  gain  dip 
to  feed  through  to  the  output. 
There's  a  rapid  change  in  both  gain 
and  phase  at  this  frequency,  n  this 


OV. 


-OV. 


I 


2.  ADDING  A  RESISTOR  (Rx)  in  series  with  the  output  and  a  capacitor  (CF) 
between  the  output  and  input  of  an  op  amp  can  reduce  phase  shift  in  the  feedback  loop  to  a 
value  close  to  zero.  This  restores  stability  to  an  op  amp  which  would  oscillate  when  driving  a 
capacitive  load  (C,,). 
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example,  it  happens  that  the  gain  dip 
is  due  to  the  complex  zero  and  the 
phase  jumps  up,  so  the  op  amp  main- 
tains its  phase  margin. 

However,  if  the  complex  pole  had 
occurred  at  15  MHz,  the  phase  would 
have  dipped  drastically  and  could 
have  resulted  in  -180°  of  phase  shift, 
causing  the  op  amp  to  oscillate. 
Clearly,  what  happens  on  its  power 
supply  line  can  severely  degrade  op- 
amp  performance. 

Because  the  supply  line's  induc- 
tance and  the  capacitor's  ESL  appear 
to  be  the  main  causes  of  circuit  reso- 
nance, the  inductance  should  be  re- 
duced. This  is  often  easier  said  than 
done,  and  the  inductance  can  never 
be  completely  eliminated.  Further- 
more, some  inductance  may  actually 
be  desirable  to  act  as  a  filter.  Conse- 
quently, liberal  bypass  capacitance 
is  needed  to  move  the  resonance  fre- 
quency lower  to  a  point  where  the 
PSRR  is  high  enough  to  reject  the 
gain  and  phase  changes.  In  addition, 
the  bypass  capacitor  should  be  locat- 
ed as  close  to  the  IC  as  possible  to 
minimize  trace  inductance  between 
it  and  the  IC. 

Reducing  the  parasitic  inductance 
within  the  capacitor  is  a  matter  of  se- 
lecting the  correct  capacitor  type  for 
the  job.  Typically,  a  10-fiF  tantalum 


in  parallel  with  a  O.I-/1F  ceramic  ca- 
pacitor is  specified  for  supply  by- 
passing, and  with  good  reason.  The 
total  bypass  capacitance  combined 
with  the  supply-line  inductance  sets 
the  gain  peak's  position.  To  diminish 
its  effect,  the  peak  should  be  much 
lower  in  frequency  than  the  amplifi- 
er's 0-dB  frequency.  As  a  result,  a 
large  capacitor  is  needed  to  move  the 
peak  lower  in  frequency  to  where  the 
PSRR  is  high.  A  10-u.F  tantalum  fits 
this  mold  because  large  capacitance 
values  are  available  in  a  reasonably 
sized  component.  In  fact,  in  some  ap- 
plications where  it's  critical  not  only 
to  maintain  stability  but  also  to  en- 
sure gain  and  phase-flatness  out  to 
the  amplifier's  0-dB  frequency,  an 
even  larger  bypass  capacitor  is  re- 
quired to  ensure  rejection. 

Unfortunately,  tantalum  capaci- 
tors aren't  perfect  because  they 
have  high  ESR.  On  the  other  hand, 
ceramic  capacitors  have  low  ESR. 
Typical  curves  of  impedance  versus 
frequency  for  these  two  capacitors 
show  that  the  ceramic  capacitor  has 
a  much  sharper  dip  in  impedance 
(well  below  1 H)  at  a  much  higher  fre- 
quency due  to  its  low  ESR  and  ESL. 
However,  the  tantalum  capacitor 
has  much  higher  ESR,  and  thus  has  a 
shallow  dip  down  to  the  range  of  1-10 


CI.  If  just  the  tantalum  is  used,  the 
impedance  of  the  bypass  won't  come 
close  to  an  ideal  ac  ground  at  high 
frequency.  Consequently,  a  lower- 
value  ceramic  capacitor  is  used,  in 
parallel,  to  further  reduce  the  high- 
frequency  impedance  of  the  supply 
bypass  circuit.  The  tantalum  capaci- 
tor reaches  its  ESR  limit  around  1 
MHz.  Above  this  frequency,  the  ce- 
ramic continues  to  lower  the  bypass 
impedance  until  its  own  ESL  domi- 
nates around  10  MHz. 

Typical  curves  of  ceramic  capaci- 
tors will  usually  include  a  few  tenths 
of  an  inch  of  lead  length.  Most  of  the 
ESL  that  causes  the  impedance  to 
rise  sharply  above  10  MHz  actually 
comes  from  the  leads.  Shortening 
the  leads  reduces  ESL.  This  illus- 
trates the  importance  of  placing  by- 
pass capacitors  close  to  the  IC.  Chip 
capacitors  can  be  valuable  for  high- 
speed circuits  for  this  reason.  Be- 
cause they're  surface  mounted,  chip 
capacitors  have  almost  no  lead 
length  except  the  pc-board  trace  and 
the  amplifier  leads.  Minimizing  ev- 
ery source  of  lead  length  ensures 
clean  supply  bypassing  at  high  fre- 
quencies. 

The  discussion  so  far  dealt  with 
only  one  amplifier  connected  to  the 
supply,  but  usually  many  amplifiers 
share  the  same  power  source.  When 
this  is  true,  the  supply  line  should  be 
as  short  and  wide  as  possible,  and 
each  IC  should  be  bypassed  individ- 
ually. This  reduces  noise  on  the  sup- 
ply line,  which  arises  from  the  op 
amps'  rapidly  changing  supply-cur- 
rent demands. 

Stray  capacitance  on  the  input  of 
lower  bandwidth  op  amps,  such  as 
the  741,  can  often  be  overlooked 
without  significantly  impacting  cir- 
cuit performance.  However,  when 
dealing  with  high-speed  circuits,  this 
capacitance  becomes  critical.  Not 
only  will  the  input  capacitance  cause 
the  closed-loop  bandwidth  to  drop,  it 
can  also  cause  the  op  amp  to  oscil- 
late. This  capacitance,  which  comes 
from  both  the  op  amp's  input  circuit- 
ry and  the  pc-board  (or  breadboard) 
layout,  can  be  looked  at  as  a  capaci- 
tor to  ground  on  the  inverting  input 
(Fig.  6a). 

To  see  how  this  capacitance  causes 
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instability,  consider  the  feedback 
network  that  includes  the  amplifier's 
output  impedance  (Fig.  6b).  The  ca- 
pacitor's phase  contribution  to  the 
feedback  signal  is  determined  by  an- 
alyzing the  circuit's  transfer  func- 
tion from  VA  to  V„.  In  other  words, 
the  signal  is  phase  shifted  by  the  am- 
plifier's open-loop  phase  characteris- 
tic and  then  further  shifted  by  the 
feedback  network's  phase  response. 
The  transfer  function  is  easily  deter- 
mined to  be: 

VB/VA  =  RI/[(R1+R2+R0)  + 
s^R^+R,)] 

which  produces  a  pole  at: 

f  c  =  (Rt  +  R2  +  R0)  l2irG$.f$.0  +  R2) 

ss^  +  R^ttC^R., 
(Assuming  R0  <  <  Rt  and  R2) 

This  pole  causes  a  phase  shift  at 
the  unity-gain  frequency,  fu(  of: 

Phase  Shift  =  TAN1(fu/fc) 

If  this  phase  shift  is  large  enough, 
the  amplifier  may  oscillate.  As  an  ex- 
ample, consider  the  OP-42  with  5  pF 
of  input  capacitance  and  R,  =  R2  =  10 
kfl.  This  creates  a  pole  at  6.4  MHz, 
creating  a  phase  shift  of  51°  at  the 
unity-gain  crossover  frequency  of  8 
MHz.  Because  the  OP-42  has  a  phase 
margin  of  48°,  a  phase  shift  of  51°  can 
start  the  amplifier  oscillating. 

Fortunately,  a  feedback  capacitor 
can  be  added  in  parallel  with  the 
feedback  resistor  to  compensate  for 
the  input  capacitance.  The  optimum 
value  for  the  feedback  capacitor  is 
easily  calculated  by  determining  the 
pole  and  zero  locations  of  the  feed- 
back network  and  setting  them  equal 
to  each  other: 

Pole  =  l/27r(C,  *  C2)R,//R2 

Zero=  1/2ttC2R2 

equating  and  solving  these  gives: 
C2> 

Using  this  value  for  C2  provides 
for  zero  degrees  of  phase  shift  in  the 
feedback  network.  A  shift  of  0°  en- 
sures stability  (assuming  the  op  amp 
itself  is  stable).  An  interesting  note 
is  that  most  resistors  have  about  1-2 
pF  of  stray  capacitance  across  them, 
which  helps  to  stabilize  the  circuit.  In 
the  previous  example,  to  compensate 
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4.  DUE  TO  RLCPARASITICS  ,  the  bypassed  power  supply  line  of  an  IC  can 
resonate  at  several  frequencies.  In  this  instance,  pronounced  gain  and  phase  changes  occur 
at  land  16  MHz. 


for  the  5-pF  input  capacitance  of  the 
OP-42,  C2  also  needs  to  be  5  pF. 

The  board  layout  can  be  a  major 
source  of  stray  input  capacitance. 
This  capacitance  arises  from  the  in- 
put traces  to  the  summing  junction 
of  the  op  amp. 

As  a  reference  point,  0.025  in.  of 
pc-board  trace  with  a  ground  plane 
surrounding  it,  on  the  opposite  side 
of  the  board,  represents  about  10  pF 
of  capacitance  per  inch.  Of  course, 
this  value  varies  depending  upon  the 
board  thickness  and  the  material  its 
made  of.  But  there  can  easily  be 
enough  input  capacitance  to  cause 
an  amplifier  to  oscillate. 

The  effects  of  the  input  capaci- 
tance can  be  reduced  by  moving  the 
pole  further  out  in  frequency  to  re- 
duce its  effects  near  the  0-dB  fre- 
quency. Most  op  amps  have  3  to  5  pF 
of  input  capacitance — a  combination 
of  the  differential-and  common- 
mode  capacitances. 

For  inverting  applications,  the  two 
capacitances  add.  However,  for  non- 
inverting  configurations,  the  differ- 
ential capacitance  is  effectively  zero, 
leaving  about  1  to  3  pF  of  common- 
mode  capacitance  on  each  input.  This 
capacitance  is  fixed  for  any  given  op 


amp  and  can't  be  reduced. 

On  the  other  hand,  some  control  of 
pc-board  stray  capacitance  does  ex- 
ist. There  are  two  key  ways  to  reduce 
this  capacitance.  First,  keep  the  in- 
put traces  as  short  as  possible.  Put 
the  feedback  resistor  and  the  input 
source  very  close  to  the  op  amp's  in- 
put, minimizing  pc-board  trace 
length.  Keep  the  analog  section  close 
together  to  further  reduce  trace 
lengths.  Second,  don't  place  the 
ground  plane  near  the  op  amp  except 
where  it's  needed  for  the  circuit.  Be 
especially  careful  to  keep  the  ground 
plane  away  from  the  op  amp's  in- 
puts. The  obvious  exception  to  this 
occurs  when  the  noninverting  pin  is 
grounded.  When  ground  really  is 
needed,  bring  it  in  with  a  wide  trace 
to  ensure  a  low  resistance  ground. 
Don't  locate  the  ground  plane  on  the 
opposite  side  of  the  board  from  the 
analog  section.  Combining  all  of 
these  measures  will  go  a  long  way 
toward  keeping  the  stray  input  ca- 
pacitance to  a  minimum. 

The  best  possible  pc-board  layout 
for  high-speed  analog  circuits  would 
pack  the  analog  parts  close  together, 
attenuating  trace  length.  Surface- 
mounted  devices  and  chip  capacitors 
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5.  THE  RESONANCES  SEEN  by  the  supply  pins  of  an  op  amp  translate  into  rapid 
changes  in  op-amp  gain  and  phase  with  an  attendant  loss  in  phase  margin  and  increased 
potential  for  oscillation.  The  effect  is  shown  here  at  16  MHz. 


for  power-supply  bypassing  can  real- 
ly help.  The  ground  plane  should  be 
around  the  perimeter  of  the  analog 
section  and  only  come  in  through 
traces  to  make  contact  where 
ground  is  required.  Try  to  avoid  us- 
ing sockets  to  mount  the  ICs  on  the 
board,  because  they  can  add  another 
1  to  3  pF  of  capacitance  to  the  de- 
vices' input  pins. 

Referring  back  to  the  pole  equa- 
tion, it  can  be  seen  that  minimizing 
the  capacitance  isn't  the  only  way  to 
reduce  its  effects.  The  parallel  com- 
bination of  the  resistors,  R,  and  R2, 
should  also  be  kept  small.  The  op 
amp  itself  determines  how  small  a 
feedback  resistor  can  be  used.  Some- 
where around  1-2  kft  is  best  for  most 
high-frequency  amplifiers. 

Lowering  the  resistors  by  a  factor 
of  10  is  the  same  as  reducing  the  in- 
put capacitance  by  the  same  factor. 
However,  the  output  circuit  must  be 
able  to  drive  the  feedback  circuit  and 
the  load. 

By  compensating  for  the  input  ca- 
pacitance with  the  feedback  capaci- 
tor, C2  can  stabilize  the  circuit.  How- 
ever, it  reduces  bandwidth.  Capaci- 
tor C2  forms  a  pole  with  the  feedback 
resistor,  R2,  which  limits  the  band- 
width to: 


Bandwidth  =  l/2irC2R, 

Clearly  the  best  way  to  deal  with 
input  capacitance  is  to  minimize  both 
it  and  the  feedback  resistance.  This 
reduces  the  possibility  of  the  circuit 
oscillating  and  preserves  maximum 
closed-loop  bandwidth. 

Trick  Those  Op  Amps 

Unfortunately,  not  all  op  amps  are 
created  stable — at  least  not  at  unity 
gain.  Many  high-speed  op  amps  are 
stable  only  for  gains  greater  than 
five  or  even  ten.  These  broadband  op 
amps  sacrifice  unity-gain  stability  to 
achieve  a  much  higher  gain-band- 
width product.  What  happens  if  a  de- 
sign calls  for  unity  gain  and  you 
can't  find  a  unity-gain-stable  op  amp 
that  fits  the  application?  It's  not 
hopeless — by  simply  adding  a  capac- 
itor and  resistor  across  the  inputs,  al- 
most any  amplifier  can  be  made  sta- 
ble at  unity  gain  (Fig.  7).  This  config- 
uration reduces  the  feedback  factor 
beta  08)  at  high  frequencies,  and  the 
amplifier  "thinks"  it's  running  at  a 
gain  greater  than  unity. 

To  understand  this  compensation 
technique,  first  assume  that  the  ca- 
pacitor is  a  short  at  high  frequencies, 
so  all  that  remains  is  Rc  and  Rr  The 


tne  equivalent  ot  the  minimum  gam 
needed  for  stability,  the  amplifier 
thinks  it's  at,a  closed-loop  gain  of  5 
and  is  therefore  stable.  However,  the 
signal  sees  a  closed-loop  gain  of  uni- 
ty, which  can  be  shown  by  deriving 
the  expression  for  the  gain: 

V0  =  -A0L(RC/RC+R,)V0  + 

where  A0L  is  the  open-loop  gain  of 
the  amplifier. 

This  expression  simplifies  to: 

V0/V,,  =  A0^/(1+A^) 
=  1/(1/A01y3  +  1) 

where 

/3  =  R,/(R,.  +  R,) 

When  the  open-loop  gain  is  large, 
V0/VIN  =  1.  Unity  gain  in  the  signal 
path  is  maintained  even  though  the 
amplifier  thinks  it  is  at  a  closed-loop 
gain  of  five. 

Next  consider  the  value  of  the 
compensating  capacitor,  Cc.  It  must 
be  large  enough  to  ensure  that  the 
amplifier  satisfies  the  P  requirement 
at  a  low  enough  frequency  to  ensure 
stability.  A  minimum  value  for  C(. 
should  provide  an  impedance  equal 
to  that  of  R(.  at  a  frequency  at  least  a 
decade  below  the  corner  frequency 
for  the  amplifier's  lowest  stable 
gain: 

Ct.  =  l/27rR,.(f(./10) 

For  example,  consider  the  OP-64,  a 
high  slew-rate  op  amp.  Its  lowest  sta- 
ble gain  (5)  yields  a  corner  frequency 
at  16  MHz.  A  feedback  resistor  of 
1000  ft  results  in  an  R(.  of  250  ft  and  a 
C,  of  398  pF — the  minimum  value 
that  should  be  considered  for  C,.. 

This  equation  holds  true  for  opera- 
tion in  a  noninverting  configuration. 
Now  consider  an  inverting  circuit, 
whose  analysis  is  very  similar.  The 
closed-loop  gain  equation  becomes: 

V„/VIN  =  -1/(1  +  1/A01^) 

where 

/3  =  (RC//R1)/(R(.//R,+R2) 
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calculates  the  value  of  Rc  for  mini- 
mum stable  gain.  The  capacitor's  val- 
ue is  calculated  the  same  as  for  the 
averting  case. 


What's  The  Catch? 

An  op  amp's  bandwidth  and  set- 
tling time  can  be  affected  by  lead-lag 
compensation.  Don't  make  the  mis- 
take of  thinking  that  because  the  am- 
plifier is  in  a  unity-gain  configura- 
tion that  its  signal  bandwidth  equals 
the  amplifier's  full  gain-bandwidth 
product.  Using  lead-lag  compensa- 
tion doesn't  increase  the  bandwidth 
above  that  at  the  minimum  stable 
gain.  For  example,  the  OP-64  has  a 
gain-bandwidth  product  of  80  MHz 
but  it's  stable  only  for  closed-loop 
gains  of  five  or  more.  Therefore,  its 
bandwidth  is  16  MHz  for  a  gain  of 
five.  When  compensated  for  unity- 
gain  operation,  its  bandwidth  is  still 
16  MHz,  as  is  seen  in  the  results  of 
the  circuit's  Spice  analysis  (Fig.  7, 
again).  To  understand  this  effect, 
look  at  the  closed  loop  gain  expres- 
sion for  fi  =  1/5: 


V0/VIN=l/(5/A0 


and  compare  it  to  a  typical  unity  gain 
expression: 


_  -4- 
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one-fifth  that  of  the 
uncompensated  OP- 
64. 

Lead-lag  compen- 
sation can  also  affect 
an  op  amp's  settling 
time.  This  can  be  il- 
lustrated by  examin- 
ing the  transient  re- 
sponse of  the  OP-64 
(Figs.  8a  and  8b). 
These  tests  were  per- 
formed with  Cc  =  470 
pF  and  Rc  =  250  ft. 
The  circuit's  settling 
time  to  0.1%  in- 
creases to  600  ns  in 
contrast  to  the  Av  =  5  settling  time  of 
390  ns.  However,  this  effect  is  easily 
overcome  by  increasing  the  value  of 
Cc.  Another  test  was  performed  with 
Cc  =  1  juF  and  the  results  prove  to  be 
much  better  (Fig.  8c).  The  settling 
time  in  this  instance  drops  to  310 
ns — comparable  to  the  Av  =  5  set- 
tling time.  Using  a  smaller  capacitor 
while  ensuring  stability  still  causes 
significant  overshoot,  resulting  in  a 
long  settling  time. 

Changing  the  input  voltage  from  - 
1  V  to  +1  V  almost  instantly  creates 
a  large  differential  voltage  between 
the  op  amp's  inverting  and  nonin- 
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6.  PARASITIC  CAPACITANCE  on  an  op  amp's  input  (C,)  reduces  phase  margin 
and  can  cause  oscillation  (a).  Its  effect  can  be  analyzed  by  considering  C,  as  part  of  the  op 
-'-feedback  network  (b). 


the  larger  capacitor  is  used,  the  RC 
time  constant  becomes  very  large 


7.  LEAD-LAG  COMPENSATION  formed  b, 

capacitor  Cc  and  resistor  Rc  can  stabilize  at  unity  gain. 
Typically,  this  op  amp  is  stable  only  at  a  higher  gain. 


verting  inputs.  The  smaller  capaci- 
tor, combined  with  the  compensating 
resistor,  has  a  relatively  small  RC 
time  constant.  It  charges  quickly  to- 
wards the  full  differential  voltage. 
When  the  amplifier  overshoots  while 
trying  to  return  to  the  final  output 
voltage  (the  input  voltage  times  the 
closed-loop  gain,  the  capacitor  is 
charged  to  enough  differential  volt- 
age to  continue  forcing  the  output 
high.  The  long  decay  in  the  overshoot 
is  caused  by  the  slow  discharge  of 
the  compensation  capacitr 


and  the  capacitor  can  only  charge  to 
a  fraction  of  the  differential  voltage. 
Consequently,  when  the  amplifier 
overshoots,  the  capacitor  isn't 
charged  to  enough  of  the  differential 
voltage  to  continue  to  force  the  out- 
put high.  As  a  result,  it  quickly  re- 
turns to  the  final  voltage. 

While  overall  settling  time  varies 
considerably,  the  slew  rate  (and  thus 
the  full  power  bandwidth)  is  con- 
stant. Regardless  of  the  capacitor 
chosen,  the  slew  rate  is  the  same  as 
that  for  a  minimum-stable-gain  con- 
dition. The  amplifier's  slew  rate  is  a 
function  of  its  internal  structure — 
it's  independent  of  the  compensating 
resistor  and  capacitor. 

This  discussion  may  raise  such 
questions  as:  "How  big  a  capacitor 
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8.  WHEN  AN  OP  AMP  with  a  minimum  stable  gain  of  5  is  lead-lag  compensated  to 
run  at  a  gain  of  one,  its  original  settling  time  of  about  400  ns  (a)  increases  to  about  600  ns 
(b).  However,  increasing  the  siie  of  the  compensation  capacitor  from  470  pF  to  1  fif  drops 
the  settling  time  to  about  300  ns  (c).  Shorting  the  capacitor  shows  similar  results  (d). 


should  be  used?  And  if  a  bigger  ca- 
pacitor is  better,  then  why  use  one  at 
all?"  To  answer  the  first  question  ex- 
perimentally, a  capacitor  that's 
roughly  1000  times  the  calculated 
value  usually  works  to  keep  the  over- 
shoot down  and  the  settling  time  to  a 
minimum.  The  settling  time  with  just 
the  resistor  in  place  was  also  mea- 
sured (Fig.  8d).  It  is  317  ns,  almost 
the  same  as  when  using  Cc  =  1  ju.F. 
However,  dc  errors  will  creep  in  if 
the  capacitor  isn't  used.  With  the  ca- 
pacitor missing,  the  dc  noise  gain  of 
this  circuit  is  now  also  five.  There- 
fore, any  dc  errors,  such  as  voltage 
offset,  are  increased  by  a  factor  of 
five  at  the  output.  Because  high- 
speed amplifiers  typically  have  rela- 
tively large  offsets,  dc  errors  can  be 
significant  and  certainly  need  to  be 
considered. 

More  Noise  Gain 

High-frequency  or  ac  noise  gain 
must  also  be  considered.  Because  the 
amplifier's  feedback  is  now  equiva- 
lent to  a  gain  of  5,  its  ac  noise  is 
boosted  by  a  factor  of  five  at  the  out- 
put. Voltage  noise  is  typically  mod- 
elled as  a  noise  generator  on  the  am- 
plifier's inverting  input.  A  Spice 
analysis  was  performed  to  measure 
the  noise  gain  by  placing  the  input 
source  on  the  inverting  input  and 
measuring  the  amplitude  of  the  out- 
put for  two  different  compensation 
capacitors,  470  pF  and  1  u.F  (Fig.  9). 
At  unity  gain,  the  noise  gain  would 
usually  be  one,  but  as  the  plot  shows, 
the  lead-lag  compensation  increases 
it  to  five  (14  dB).  By  looking  at  these 
two  plots,  it  seems  that  using  a  1-u.F 
capacitor  generates  significantly 
more  noise  than  the  470-pF  capaci- 
tor. However,  the  difference  isn't 
that  great.  The  equation  for  total 
rms  noise  over  a  given  bandwidth  is: 

En  =  en  v/(fH-f  J 

where: 

en  =  the  spectral  voltage 

noise  density 
fH  =  upper  frequency 

limit 

fL  =  lower  frequency 
imit 


tors 


Examining  the  plot,  both  capaci- 
rs  appear  to  have  the  same  fH— 20 
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MHz— but  the  f,  is  differ- 
ent. It's  about  500  kHz 
for  the  470-pF  capacitor 
and  about  500  Hz  for  the 
capacitor.  However, 
this  only  creates  a  differ- 
ence of  1.3'  ;  for  the  total 
noise.  Therefore,  the 
noise  trade-off  with  the  1- 
IxF  capacitor  is  minimal 
when  compared  to  the 
difference  in  settling 
time  resulting  from  the 
two  capacitors.  Lead-lag 
compensation  is  a  valu- 
able tool  in  dealing  with 
high-frequency  op  amps. 
And,  as  the  aforemen- 
tioned discussion  shows, 
it  can  offer  stability  for 
op  amps  that  typically 
would  be  unstable  at  low 
gains.  However,  there 
are  trade-offs,  so  care 
must  be  exercised  when 


using  this  compensation 

scheme.D 

Reference: 

1.  Precision  Monolithics 
Inc.,  1988  Analog  Appli- 
cations Seminar. 

For  a  complete  discus- 
sion of  the  op-amp  stabil- 
ity criterion: 

Gary,  P.,  and  Meyer,  G. 
Analog  Integrated  Cir- 
cuits. (New  York:  Wiley, 
1984),  pp.  527-70. 
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9.  UPPING  THE  VALUE  of  a  lead-lag  compensation 
capacitor  from  470  pF  to  1  fiF  raises  the  low-frequency  noise  gain 
by  about  10  dB.  Over  a  given  bandwidth,  however,  the  total  rms 
noise  is  only  raised  by  a  small  percentage. 
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OP-64  Advanced 

by  Joe 


INTRODUCTION 


This  application  note  describes  the  SPICE  macro-model  for  the 
OP-64  high  speed,  wideband  operational  amplifier.  This  model 
was  tested  with  and  is  compatible  with  PSpice*  and  HSpice**. 
The  schematic  and  net-list  are  included  here  so  that  the  model 
can  easily  be  used.  This  model  can  accommodate  multiple  fre- 
quency poles  and  multiple  zeroes,  which  is  an  advanced  con- 
cept that  results  in  more  accurate  AC  and  transient  responses 
necessary  for  simulating  the  behavior  of  today's  high  speed  op 
amps.  For  example,  the  OP-64  has  9  poles  and  2  zeroes,  which 
this  advanced  model  can  easily  accommodate. 

The  OP-64  macro-model  uses  almost  entirely  linear  elements 
to  model  the  op  amp's  behavior.  With  the  exception  of  two  NPN 
transistors  for  the  input  stage,  the  rest  of  the  model  uses  volt- 
age-controlled current  sources.  Simulation  of  the  OP-64's  AC 
behavior  is  achieved  by  using  multiple  poles  and  zeroes  mod- 
elled simply  by  RL  and  RC  circuits.  Doing  so  not  only  saves 
computer  time  but  also  makes  the  development  and  calcula- 
tions easy. 

MODEL  DESCRIPTION 

The  schematic  (Figure  1)  and  net-list  (Figure  2)  describe  the 
complete  OP-64  model.  This  model  breaks  up  the  OP-64  into 
many  distinct  stages  as  described  below. 

INPUT  STAGE 

The  input  stage  (Figure  1a)  uses  two  NPN  transistors,  Q,  and 
Q2,  to  model  the  actual  OP-64  input.  Their  forward  current  gain, 
i.e.  BF,  is  chosen  such  that  the  base  current  matches  the  OP- 
64's  input  bias  current  specification.  Because  these  transistors 
are  modelled  as  an  ideal  and  perfectly  matched  differential  pair, 
they  do  not  take  into  account  non-ideal  parameters  such  as 
VQS,  lQS,  and  CIN.  Consequently,  individual  circuit  elements  are 
added  to  model  these  error  sources.  Lastly,  C2  is  added  to  cre- 
ate one  of  the  poles  in  the  model. 

GAIN  STAGE 

The  open  loop  gain  of  the  OP-64  is  achieved  entirely  in  the  gain 
stage  (Figure  1  b),  and  all  other  stages  have  unity  gain.  The  two 
voltage-controlled  current  sources,  G,  and  G2,  have  scaled 
transconductances  that,  when  combined  with  R_,  and  R8,  give 
an  open  loop  gain  of  15,000.  This  stage  also  uses  C3  and  C4  to 
create  the  dominant  pole  at  3.8kHz  and  to  model  the  slew  rate. 
Lastly,  the  diodes,  D,  and  D2,  and  voltage  sources  V  and  V 


are  used  to  clamp  the  voltage  of  node  1 1  below  the  power  sup- 
plies. Because  the  next  stage  (Figure  1  c)  has  unity  gain  and  its 
voltage-controlled  current  sources  are  controlled  by  node  1 1 ,  it 
too  is  clamped,  at  node  1 2,  below  the  power  supplies.  The  same 
is  true  for  the  subsequent  stages,  including  the  output  at  node 
38,  such  that  their  voltages  are  clamped  below  the  power  sup- 
plies. 

POLE-ZERO  STAGES 

All  of  the  pole-zero  stages  (Figure  1c-h,  j)  have  unity  gain.  RC 
and  RL  networks  are  used  to  model  the  secondary  poles  and 
zeroes  of  the  OP-64. 

COMMON-MODE  STAGE 

The  common-mode  voltage  that  is  used  to  create  the  CM  error  is 
created  by  the  two  input  resistors,  R,  and  R2.  This  voltage  is 
referenced  by  G17  and  G18  in  the  common-mode  stage  (Figure 
1i).  The  transconductances  of  these  two  sources  are  scaled 
such  that,  in  combination  with  R2g  and  R30,  the  VCM  is  attenu- 
ated by  the  CMRR  of  1 0OdB.  This  error  voltage  is  then  inserted 
as  an  offset  voltage  in  the  input  stage  by  EQS.  Also,  the  induc- 
tors, L5  and  L6,  model  the  pole  in  the  CMR  vs.  frequency  re- 
sponse of  the  OP-64. 

OUTPUT  STAGE 

The  output  stai 
an  output  resistance,  R36 
added  to  model  the  ' 
lower  output  stage  with  fn 


with 


R37.  An  inductor,  LJ,  is 
nee  of  the  emitter-fol- 
sources  V6  and 
across  the  resistors 


PARAMETERS  THAT  ARE  NOT  MODELLED 

To  keep  the  OP-64  model  as  simple  as  possible  and  thus  save 
computer  time,  not  all  features  of  the  op  amp  were  modelled  as 

5  on  Power  Supply  Voltages 
num  Input  Voltage  Beyond  the  Power  Supplies 
-Temperature  Effects  (i.e.  Model  Parameters  Are  Assumed 
at  25°C) 

-  Input  Noise  Voltage  and  Current  Sources 

-  Parameter  Variations  for  Monte  Carlo  Analysis  (i.e.  All 
Parameters  Are  Typical  Only) 

These  parameters  are  not  included  because  they  aren't  neces- 


*  PSpice  is  a  registered  trademark  ot  MicroSim  Corporation. 
**  HSpice  is  a  tradename  of  Meta-Software.  Inc. 
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OP-64  MACRO-MODEL  ©PMH989 
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FIGURE  2:  OP-64  SPICE  Net-List 
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because  they  are  not  part  of  the  normal  operation  of  the  OP-64 
as  an  op  amp. 

MODEL  PERFORMANCE 

The  graphs  on  these  next  two  pages  compare  the  actual  re- 
sponses of  the  OP-64  to  the  SPICE  analysis.  For  example,  the 
actual  open-loop  gain-phase  response  (Figure  3a)  measured 
on  a  network  analyzer  shows  very  close  agreement  to  the 
SPICE  simulation  (Figure  3b).  This  agreement  holds  true  for 
both  the  gain  and  phase  curves  well  above  10MHz.  The  same 
agreement  holds  true  for  a  closed-loop  gain  of  -1 0  (Figures  4a, 
b)  and  a  closed-loop  gain  of  -100  (Figures  5a,  b)  showing  the 
accuracy  of  the  model's  frequency  response. 


measured  at  a  closed-loop  gain  of  5  with  an  1 15pF  capacitive 
load.  Notice  that  the  two  figures  show  a  slight  difference  in  the 
damped  settling  characteristics  occurring  in  the  positive  transi- 
tion. This  is  due  to  the  fact  that  the  model's  output  stage  is  as- 
sumed to  be  symmetrical,  unlike  the  OP-64's  output  stage  which 
in  reality  has  a  slight  asymmetrical  behavior.  Nevertheless,  the 
model  does  predict,  to  a  reasonable  degree  of  accuracy,  the 
damped  oscillation.  This  accurate  transient  response,  along 
with  the  accurate  AC  response,  makes  the  OP-64  macro-model 
a  powerful  tool  in  analyzing  circuit  stability  and  AC  behavior 
under  various  load  conditions. 
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FIGURE  3:  Gain-Phase  Plots,  Open  Loop  Gain  (a.  Actual  Response,  b.  Simulated  Model  Response) 
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FIGURE  4:  Gain-Phase  Plots,  Closed  Loop  Gain  of -10  (a.  Actual  Response,  b.  Simulated  Model  Response) 
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OP-42  Advanced  SPICE  Macro-Model 


INTRODUCTION 

This  application  note  describes  the  SPICE  macro-model  tor  the 
OP-42  high-speed,  fast-settling  precision  operational  amplifier. 
This  model  was  tested  with,  and  is  compatible  with  PSpice*  and 
HSPICE**.  The  schematic  and  net-list  are  included  here  so  that 
the  model  can  easily  be  used.  This  model  can  accommodate 
multiple  frequency  poles  and  multiple  zeroes,  which  is  an  ad- 
vanced concept  that  results  in  more  accurate  AC  and  transient 
responses  necessary  for  simulating  the  behavior  of  today's 
high-speed  op  amps.  For  example,  8  poles  and  2  zeroes  are 
required  to  sufficiently  simulate  the  OP-42,  which  this  advanced 
model  can  easily  accommodate. 

Throughout  the  OP-42  macro-model,  RC  networks  produce  the 
multiple  poles  and  zeroes  which  simulate  the  OP-42's  AC  be- 
havior. Each  stage  contains  a  pole  or  a  pole-zero  pair.  The 
stages  are  separated  from  each  other  by  voltage-controlled 
current  sources  so  that  the  pole  and  zero  locations  do  not  inter- 
act. The  only  nonlinear  elements  in  the  entire  model  are  two  p- 
channel  JFETs  which  comprise  the  input  stage.  Limiting  the 
model  to  almost  entirely  linear  circuit  elements  significantly 
reduces  simulation  time  and  simplifies  model  development. 

MODEL  DESCRIPTION 

The  schematic  (Figure  1)  and  net-list  (Figure  2)  describe  the 
complete  OP-42  model.  This  model  breaks  up  the  OP-42  into 
many  distinct  stages  as  described  below: 

INPUT  STAGE 

To  correctly  model  the  behavior  of  the  OP-42,  the  model  uses  a 
differential  pair  of  p-channel  JFETs  biased  with  a  1mA  current 
source  (Figure  1a).  To  keep  this  stage  as  simple  as  possible 
only  those  parameters  necessary  to  the  JFET  model  are  speci- 
fied, that  is  the  threshold  voltage  VTO,  the  transconductance 
coefficient  BETA,  and  the  gate  p-n  saturation  current  IS,  which 
is  scaled  to  give  the  proper  input  bias  current.  All  other  JFET 
parameters  are  left  at  the  model  default  values,  most  of  which 
are  zero. 

As  for  non-ideal  behaviors  of  the  input  stage,  such  as  VQS,  lQS, 
and  C|N,  these  are  modelled  with  external  circuit  elements.  For 
example,  no  gate  capacitance  is  specified  for  the  JFET  model, 
therefore  a  capacitor,  C|N,  is  added  across  the  inputs.  Further- 
more, since  in  this  model  the  input  JFETs  are  perfectly  matched, 
VQS  and  lQS  error  sources  are  added  using  an  external  voltage 


source  and  current  source,  respectively.  Lastly,  the  drain  resis- 
tors R3  and  R4  are  chosen  to  be  1  /gm  of  the  JFETs  to  give  a  gain 
of  unity  in  the  input  stage.  C2  is  added  to  create  one  of  the  sec- 
ondary poles  in  the  model. 

GAIN  STAGE 

The  open-loop  gain  of  the  OP-42  is  achieved  entirely  in  the  gain 
stage  (Figure  1  b),  and  all  other  stages  have  unity  gain.  The  two 
voltage-controlled  current  sources,  G,  and  G2,  have  scaled 
transconductances  that,  when  combined  with  R5  and  R6,  yield 
an  open-loop  gain  of  250,000.  This  stage  also  uses  C3  and  C4  to 
create  the  dominant  pole  at  45Hz  and  to  model  the  amplifier  slew 
rate.  Lastly,  the  diodes,  D,  and  D2,  and  voltage  sources  V2  and 
V3,  are  necessary  to  clamp  the  voltage  of  node  9  below  the 
power  supplies.  Because  the  next  stage  (Figure  1c)  has  unity 
gain  and  its  voltage-controlled  current  sources  are  controlled  by 
node  9,  it  too  is  clamped,  at  node  1 1 ,  below  the  power  supplies. 
The  same  is  true  for  the  subsequent  stages,  including  the  output 
at  node  32,  such  that  their  voltages  are  clamped  below  the 
power  supplies. 

POLE-ZERO  STAGES 

All  of  the  pole-zero  stages  (Figures  1c-g,  i)  have  unity  gain, 
which  is  a  result  of  the  gm  of  the  voltage-controlled  current 
sources  being  the  reciprocal  of  the  resistors.  The  RC  networks 
are  used  to  model  the  secondary  poles  and  zeroes  of  the  OP- 
42. 

ION-MODE  STAGE 

-  -i-mode  voltage  that  is  used  to  create  the  CM  error  is 
ited  by  the  two  input  resistors,  R,  and  R2.  This  voltage  is 
referenced  by  G13  and  G14  in  the  common-mode  stage  (Figure 
1h).  The  transconductances  of  these  two  sources  are  scaled 
that,  in  combination  with  R21  and  R22,  the  VCM  is  attenu- 
by  the  CMRR  of  96dB.  This  error  voltage  is  then  inserted  as 
ffset  voltage  in  the  input  stage  by  EQS.  The  inductors,  L,  and 
nimic  the  pole  in  the  CMR  vs.  frequency  response  of  the  OP- 
42. 

OUTPUT  STAGE 

The  output  stage  (Figure  1  j)  is  modelled  as  an  ideal  output  with 
an  output  resistance,  R28  in  parallel  with  R29.  An  inductor,  L_,  is 
added  to  model  the  rising  output  impedance  of  the  emitter-fol- 
lower output  stage  with  frequency.  The  voltage  sources  V6  and 
V7,  and  diodes  D5  and  D6.  combine  to  limit  the  voltage  across 
the  resistors,  thus  limiting  the  output  current,  lOUT  to  30mA. 
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FIGURE  2:  OP-42  SPICE  Net-List 


OPERATIONAL  AMPLIFIERS  13-133 


PARAMETERS  THAT  ARE  NOT  MODELLED 

To  keep  the  OP-42  model  as  simple  as  possible  and  thus  save 
computer  time,  not  all  features  of  the  op  amp  were  modelled  as 
listed  below: 
-PSRR 

-  No  limits  on  power  supply  voltages 

-  Maximum  input  voltage  beyond  the  power  supplies 

-  Temperature  Effects  (i.e.,  model  parameters  are  assumed 
at  25°C) 

-  Input  Noise  Voltage  and  Current  Sources 

-  Parameter  Variations  for  Monte  Carlo  Analysis  (i.e.,  all 
parameters  are  typical  only) 

These  parameters  are  considered  second-order  effects  and  are 
not  considered  necessary  for  circuit  simulation  under  normal 
operating  conditions.  However,  users  can  easily  add  these 
functions  as  needed. 

MODEL  PERFORMANCE 

The  graphs  on  these  next  two  pages  compare  the  actual  re- 
sponses of  the  OP-42  to  the  SPICE  analysis  under  various  load 
and  gain  conditions.  To  show  the  accuracy  of  the  model's  fre- 
quency response  it  was  tested  with  different  gains.  Shown  be- 
low are  the  gain-phase  plots  for  an  open-loop  gain  (Figure  3) 
and  a  closed-loop  gain  of  -1  (Figure  4).  The  actual  responses 


(part  "a"  of  each  figure),  which  were  measured  using  a  network 
analyzer,  show  very  close  agreement  to  the  SPICE  simulations 
(part  "b"  of  each  figure).  This  agreement  holds  true  for  both  the 
gain  and  phase  curves  well  above  1 0MHz,  which  demonstrates 
the  accuracy  of  the  model's  frequency  response. 

The  model  can  also  accurately  simulate  the  OP-42's  transient 
response,  which  is  stable  for  a  closed-loop  gain  of  -1 .  The 
comparison  was  done  with  a  430pF  capacitive  load  to  create  the 
damped  oscillations  for  both  a  small  signal  and  a  large  signal 
response.  Because  of  the  model's  complete  complement  of 
poles  and  zeroes,  its  large  signal  transient  response  (Figure  5b) 
shows  close  resemblance  to  the  actual  response  (Figure  5a). 
Also  notice  that  the  slew  rate  limit  of  58V/u.s  is  accurately  mod- 
elled. The  small  signal  response  (Figure  6)  again  shows  the 
same  accuracy.  In  both  responses  the  actual  device  shows  a 
slight  difference  in  the  damped  oscillations  between  its  negative 
and  positive  transition,  which  is  due  to  the  inherent  asymmetri- 
cal behavior  of  the  OP-42's  output  stage.  On  the  other  hand,  the 
model  assumes  a  perfectly  symmetrical  output  stage  so  its  re- 
sponses do  not  exhibit  this  difference.  Nevertheless,  as  can  be 
seen  from  the  figures,  the  model  agrees  closely  with  the  actual 
device's  performance.  This  accurate  transient  response,  along 
with  the  accurate  AC  response,  makes  the  OP-42  macro-model 
a  powerful  tool  in  analyzing  circuit  stability  and  AC  behavior 
under  various  load  conditions. 
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FIGURE  4:  Gain-Phase  Plots,  Closed-Loop  Gain  of-1  (a.  Actual  Response,  b.  Simulated  Model  Response) 


TIME  (lis) 


FIGURE  5:  Large-Signal  Transient  Response  (a.  Actual,  b.  Model) 
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FIGURE  6:  Small-Signal  Transient  Response  (a.  Actual,  b.  Model) 
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OP-400  SPICE  Macro-Model 

by  Joe  Buxton 


INTRODUCTION 

This  application  note  describes  the  SPICE  macro-model  for  the 
OP-400  quad  low-offset,  low-power  operational  amplifier.  This 
model  was  tested  with,  and  is  compatible  with  PSpice*  and 
HSPICE**.  The  schematic  and  net-list  are  included  here  so  that 
the  model  can  easily  be  used.  This  model  can  accommodate 
multiple  frequency  poles  and  multiple  zeroes,  which  is  an  ad- 
vanced concept  that  results  in  more  accurate  AC  and  transient 
responses.  For  example,  5  poles  are  required  to  sufficiently 
simulate  the  OP-400,  which  this  advanced  model  can  easily  ac- 
commodate. 

This  macro-model  represents  one  of  thefour  amplifiers  which  are 
in  the  OP-400  package.  To  use  the  quad  amplifiers,  the  simula- 
tion circuit  needs  only  to  call  up  the  model  four  separate  times 
and  specify  the  same  power  supplies  each  time.  Throughout  the 
OP-400  macro-model,  RC  networks  produce  multiple  poles  which 
simulate  the  OP-400's  AC  behavior.  The  stages,  which  each 
contain  a  single  pole,  are  separated  from  each  other  by  voltage- 
controlled  current  sources  so  that  the  pole  locations  do  not  inter- 
act. Stages  with  a  zero  can  also  be  added  but  are  not  necessary 
for  the  OP-400.  The  only  nonlinear  elements  in  the  entire  model 
are  two  NPN  transistors  which  comprise  the  input  stage,  and 
diodes  for  voltage  clamping.  Limiting  the  model  to  almost  entirely 
linear  circuit  elements  significantly  reduces  simulation  time  and 
simplifies  model  development. 


MODEL  DESCRIPTION 

The  schematic  (Figure  1)  and  net-list  (Figure  2)  describe  the 
complete  OP-400  model.  This  model  breaks  upthe  OP-400  into 
many  distinct  stages  as  described  below. 

INPUT  STAGE 

To  correctly  model  the  OP-400's  input  behavior,  the  model  uses 
a  differential  pair  of  NPN  transistors  biased  with  a  1 00u,A  current 
source  (Figure  1  a).  To  keep  this  stage  as  simple  as  possible,  only 
the  forward  beta,  BF,  is  specified  in  the  NPN-BJT  model.  This  is 
chosen  to  give  the  correct  input  bias  current,  Ib,  forthe  op  amp. 
All  other  BJT  parameters  are  left  atthe  model  default  values,  most 
of  which  are  zero.  As  can  be  seen  in  the  simplified  schematic  on 
the  datasheet,  the  OP-400  has  a  voltage  limiting  network  to  protect 
the  input  transistor  pair.  This  network  is  essentially  two  back-to- 


back  diodes,  which  are  included  in  the  model.  Furthermore,  two 
1  kn  resistors  are  placed  in  series  with  the  inputs  to  limit  the  cur- 
rent if  either  diode  turns  on. 

As  for  non- ideal  behaviors  of  the  input  stage,  such  as  Vos.  tas. and 
C|n,  these  are  modelled  with  external  circuit  elements.  For  ex- 
ample, no  gate  capacitance  is  specified  for  the  NPN  model, 
therefore  a  capacitor,  C|N,  is  added  across  the  inputs.  Further- 
more, since  in  this  model  the  input  NPNs  are  perfectly  matched, 
V0s  and  tas  error  sources  are  added  using  an  external  voltage 
source  and  current  source,  respectively.  Lastly,  the  drain  resis- 
tors R3  and  R4  are  chosen  to  be  1/gm  of  the  NPN  transistors  to 
give  a  gain  of  unity  in  the  input  stage.  C2  is  added  to  create  one  of 
the  secondary  poles  in  the  model. 

GAIN  STAGES 

Because  the  open-loop  gain  of  the  OP-400  is  so  large,  the  model 
uses  two  stages  (Figures  1  b,  c)  to  achieve  it,  and  all  other  stages 
have  unity  gain.  The  voltage-controlled  current  sources  forthe 
two  gain  stages  have  scaled  transconductances  that,  when 
combined  with  their  respective  resistors,  yield  a  combined  open- 
loop  gain  of  5,000,000.  The  first  gain  stage  uses  C3  and  C4  to 
create  the  dominant  pole  at  0.125Hz  and  to  model  the  amplifier 
slew  rate.  In  addition,  the  second  gain  stage  uses  C5  and  C6  in 
combination  with  Ryand  R8to  add  a  secondary  pole  at  4.5MHz. 

The  diodes,  and  D2,  are  needed  to  clamp  the  voltage  at  node 
8  below  the  power  supplies.  More  importantly,  the  sources  V2  and 
V3,  and  diodes  D3  and  D4,  are  necessary  to  clamp  the  voltage  of 
node  10  below  the  power  supplies  to  get  the  proper  output  voltage 
swing.  Because  the  next  stage  (Figureld)  has  unity  gain  and  its 
voltage-controlled  current  sources  are  controlled  by  node  1 0,  it 
too  is  clamped,  at  node  1 2,  below  the  power  supplies.  The  same 
is  true  for  the  subsequent  stages,  including  the  output  at  node 
25,  such  that  their  voltages  are  clamped  be  lowthe  power  supplies, 
which  gives  the  correct  output  voltage  swing. 

POLE  STAGES 

In  addition  to  the  three  poles  in  the  input  stage  and  the  gain  stages, 
additional  poles  are  easily  added  with  separate  stages.  The  pole 
stages  (Figures  1d,f)  both  have  unity  gain,  which  is  a  result  of  the 
gm  of  the  voltage-controlled  current  sources  being  the  reciprocal 
of  the  resistors.  The  pole  locations  are  determined  by  the  resistor 
and  capacitor  values  for  each  of  the  stages. 
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FIGURE  1 :  OP-400  SP/CE  Macro-Model  Schematic  and  Node  List 
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FIGURE  2:  OP-400  SPICE  Net-List 


COMMON-MODE  STAGE 

The  common-mode  voltage  that  is  used  to  create  the  CM  error  is 
created  by  the  two  input  resistors,  Ft,  and  R2.  This  voltage  is 
referenced  by  G7  and  G8  in  the  common-mode  stage  (See  Fig- 
ure 1  e).  The  transconductances  of  these  two  sources  are  scaled 
such  that,  in  combination  with  R,,  and  R12,  the  VCm  is  attenu- 
ated by  the  CMRR  of  140dB.  This  error  voltage  is  then  inserted 
as  an  offset  voltage  in  the  input  stage  by  Eos.  The  inductors,  L, 
and  L2,  mimic  the  pole  in  the  CMR  vs.  frequency  response  of  the 
OP-400. 


OUTPUT STAGE 

The  output  stage  (Figure  1g)  is  modelled  as  an  ideal  output  with 
an  output  resistance,  R18  in  parallel  with  Rlg.  An  inductor,  L3,  is 
added  to  model  the  rising  output  impedance  of  the  emitter- 
follower  output  stage  with  frequency.  The  voltage  sources  V6and 
V7,  and  diodes  D7and  D8,  combineto  limit  the  voltage  acrossthe 
resistors,  thus  limiting  the  output  current,  Iqut  to  30mA. 
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PARAMETERS  THAT  ARE  NOT  MODELLED 

To  keep  the  OP-400  model  as  simple  as  possible  and  thus  save 
computer  time,  not  all  features  of  the  op  amp  were  modelled  as 
listed  below: 

-  Channel  Separation 
-PSRR 

-  No  Limits  on  Power  Supply  Voltages 

-  Maximum  Input  Voltage  Beyond  the  Power  Supplies 
-Temperature  Effects  (i.e.,  model  parameters  are  assumed 

at  25°C) 

-  Input  Noise  Voltage  and  Current  Sources 

-  Parameter  Variations  for  Monte  Carlo  Analysis  (i.e.,  all 
parameters  are  typical  only) 

These  parameters  are  considered  second-order  effects  and  are 
not  considered  necessary  forcircu  it  simulation  under  normal  op- 
erating conditions.  However,  users  can  easily  add  thesefunctions 
as  needed. 


MODEL  PERFORMANCE 

The  graphs  on  these  next  two  pages  compare  the  actual  re- 
sponses of  the  OP-400  to  the  SPICE  analysis  under  various  load 
and  gain  conditions.  To  show  the  accuracy  of  the  model's 
frequency  response,  it  was  tested  with  different  gains.  Shown 
below  are  the  gain-phase  plots  for  an  open-loop  gain  (Figure  3) 
and  a  closed-loop  gain  of  -1  (Figure  4).  The  actual  responses 
(part  "a"  of  each  figure),  which  were  measured  using  a  network 


analyzer,  show  close  agreement  to  the  SPICE  simulations  (part 
"b"  of  each  figure).  This  agreement  holds  true  for  both  the  gain 
and  phase  curves,  which  demonstrates  the  accuracy  of  the 
model's  frequency  response. 

The  model  can  also  accurately  simulate  the  OP-400's  transient 
response,  which  is  stable  for  a  closed-loop  gain  of  -1  even  with 
large  capacitive  loads.  The  comparison  was  done  with  a  10nF 
capacitive  load,  which  shows  the  stability  of  the  OP-400.  Because 
of  the  model's  complete  complement  of  poles,  its  large-signal 
transient  reponse  (Figure  5b)  shows  close  resemblance  to  the 
actual  response  (Figure  5a)  including  the  slew  rate  limit  of  0.15V/ 
u.s.  The  small-signal  response  (Figure  6)  again  shows  the  same 
accuracy,  which  is  even  more  apparent  because  of  the  damped 
oscillations.  In  both  reponses  the  actual  device  shows  a  slight 
difference  between  its  negative  and  positive  transitions,  which  is 
due  to  the  inherent  asymmetrical  behavior  of  the  OP-400's  output 
stage.  This  is  most  apparent  in  the  slew  rate  for  the  large-signal 
response,  and  the  overshoot  for  the  small-signal  response.  On 
theother  hand,  the  model  assumes  a  perfectly  symmetrical  output 
stage  so  its  responses  do  not  exhibit  this  difference.  Neverthe- 
less, as  can  be  seen  from  the  figures,  the  model  agrees  closely 
with  the  actual  device's  performance.  This  accurate  transient 
response,  along  with  the  accurate  AC  response,  makes  the  OP- 
400  macro-model  a  powerful  tool  in  analyzing  circuit  stability  and 
AC  behavior  under  various  load  conditions. 
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FIGURE  3:  Gain-Phase  Plots,  Open-Loop  Gain  (a.  Actual  Response,  b.  Simulated  Model  Response) 
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(a) 


(b) 


FIGURE  4:  Gain-Phase  Plots,  Closed-Loop  Gain  of -1  (a.  Actual  Response,  b.  Simulated  Model  Response) 


FIGURE  5:  Large-Signal  Transient  Response,  Gain  =  -  1,  10nF  Capacitive  Load  (a.  Actual  Response,  b.  Simulated  Model 
Response) 


FIGURE  6:  Small-Signal  Transient  Response,  Gain  =  -1,  10nF  Capacitive  Load  (a.  Actual  Response,  b.  Simulated  Model 
Response) 
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HON  NOTE 


P-260  Advanced  SPICE  Macro-Model 


by  Joe  Buxton 


INTRODUCTION 

This  application  note  describes  the  SPICE  macro-model  for  the 
OP-260  dual,  high-speed,  current  feedback  operational  ampli- 
fier. This  model  was  tested  with,  and  is  compatible  with  PSpice* 
and  HSpice**.  The  schematic  and  net-list  are  included  here  so 
that  the  model  can  easily  be  used.  This  model  uses  a  unique 
current  feedback  topology  to  accurately  model  both  the  AC  and 
DC  characteristics  of  the  OP-260.  In  addition,  this  model  can  ac- 
commodate any  number  of  poles  and  zeros  to  further  shape  the 
AC  response. 

This  model  consists  of  one  of  the  op  amps  in  the  dual  OP-260 
package.  To  use  this  model  as  a  dual,  just  call  up  the  model  twice 
and  specify  the  same  power  supplies  for  each  op  amp.  The  OP- 
260  SPICE  macro-model  uses  four  BJT transistors  to  createthe 
input  buffer  just  as  the  actual  device  does.  However,  the  rest  of 
the  model  contains  only  ideal  linear  elements  and  ideal  diodes  to 
model  the  OP-260's  behavior.  Using  only  four  transistors  reduces 
simulation  time  and  simplifies  model  development. 


MODEL  DESCRIPTION 

The  schematic  (Figure  1)  and  net-list  (Figure  2)  describe  the 
complete  OP-260  model.  This  model  breaks  up  the  OP-260  into 
many  distinct  stages  as  described  below: 

INPUT  STAGE 

The  topology  of  the  model's  input  stage  (Figure  1a)  is  actually 
quite  similar  to  the  actual  device's  input  stage.  The  four  transis- 
tors QrQ4  make  up  the  input  buffer  and  are  biased  with  the  1 50u.A 
current  sources.  The  current  is  chosen  so  that  the  inverting  input 
will  have  the  correct  buffer  output  of  1 00£J.  The  resistors  Ri  and 
Pi2  are  used  by  the  following  gain  stage  to  sense  the  current  flow- 
ing through  Q3  and  Q4  respectively.  It  is  the  difference  in  current 
between  Q3  and  Q4,  i.e.,  the  current  flowing  into  or  out  of  the  in- 
verting input,  that  provides  the  current  feedback  which  is  gained 
up  by  the  gain  stage. 

Most  of  the  input  error  sources  are  modelled  with  external  circuit 
elements,  such  asVos.  I131,  and  Ggi.  Not  only  does  Ggi  model  the 
constant  3uA  of  bias  current  in  the  inverting  input,  but  it  also  models 
the  inverting  input  common-mode  rejection,  CMRRIb_.  The  two 
capacitors,  Csi  and  Cs2,  model  the  parasitic  stray  capacitance 
on  the  inverting  input,  which  greatly  affects  the  amplifier  response 
at  high  frequencies  by  causing  peaking.  The  two  RC  networks 


model  a  pole  in  the  input  stage  and  also  the  input  stage's  slew 
rate,  which  typically  exhibits  1000V/u.s.  Common-mode  rejection 
is  also  modelled  in  the  input  stage  by  including  the  forward  Early 
voltage  in  the  transistor  models,  which  varies  the  input  offset 
voltage. 

GAIN  STAGE 

The  open-loop  gain  of  the  OP-260  is  actually  given  asatransim- 
pedance.  The  differential  current  flowing  in  the  input  stage  is 
sensed  as  the  voltage  drop  across  Rj  and  R2  by  the  voltage 
controlled  current  sources,  G-|  and  G2.  These  current  sources  in 
combination  with  the  resistors,  R5  and  R6,  produce  the  single- 
ended  output  voltage.  This  stage  also  limits  the  output  voltage  of 
the  amplifier  by  clamping  the  voltage  at  node  12  to  the  output 
voltage  range.  Since  all  succeeding  stages,  which  are  controlled 
by  this  voltage,  have  unity  gain,  then  the  output  will  also  be 
clamped. 

The  capacitors,  C3  and  C4,  produce  the  dominant  pole  in  combi- 
nation with  external  feedback  resistor.  These  capacitors  also  limit 
slew  rate  of  the  amplifier.  The  slew  rate  is  set  by  the  size  of 
these  capacitors  and  the  maximum  amount  of  current  that  can 
flow  in  this  stage.  This  current  is  from  the  current  sources,  which 
are  controlled  by  the  voltage  drop  across  and  R2.  Thus  limit- 
ing the  voltage  drop  across  these  resistors  will  limit  the  slew  rate, 
which  is  done  by  the  voltage  sources  and  clamp  diodes  across 
these  resistors.  By  changing  the  value  of  the  voltage  sources 
the  slew  rate  can  be  easily  changed. 

POLE STAGES 

All  of  the  pole  stages  (Figures  1c  -  e)  have  unity  gain,  which  is  a 
result  of  the  gm  of  the  voltage-controlled  current  sources  being 
the  reciprocal  of  the  resistors.  The  RC  networks  are  used  to  model 
the  secondary  poles  of  the  OP-260. 

OUTPUT STAGE 

The  output  stage  (Figure  1f)  is  modelled  as  an  ideal  output  with 
an  output  resistance,  R15  in  parallel  with  R16.  An  inductor,  L),  is 
added  to  model  the  rising  output  impedance  of  the  emitter-fol- 


and  diodes  D5  an 
resistors,  thus  limiting  the  output  current,  lOUT  to  30mA.  A 
capacitor, CF-|,  is  added  from  the  output  to  the  inverting  input  to 
simulatetheparasiticpin-to-pin  capacitance  of  the  actual  device. 


*  PSpice  is  a  registered  trademark  of  MicroSIm  Corporation. 
"  HSpice  is  a  tradename  of  Meta-Software,  Inc. 
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FIGURE  1:  OP-260  Macro-Model  Schematic 
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13 
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DX 
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*  POLE  AT  72  MHz 

R9 

16 

99 

1E6 
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50 
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99 

16 
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G6 

16 

50 

18  15 
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•POLE  AT 80  MHz 

'OUTPUT  STAGE 


R13 

18 

99 
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R14 

18 

50 
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R15 

23 

99 

150 

R16 

23 

50 
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LI 

23 

24 
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CF1 

24 

2 

1.8P 

G9 

21 

50 

17  23 

G10 

22 

50 

23  17 

G11 

23 

99 
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G12 

50 

23 
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V5 

19 

23 
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V6 

23 

20 
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D5 

17 

19 
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D6 

20 
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D7 
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21 

DX 

D8 

99 

22 

DX 

D9 

50 

21 

DY 
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50 

22 

DY 

6.66667E-3 
6.66667E-3 
6.66667E-3 
6.66667E-3 


'MODELS  USED 

.MODEL    QN  NPN(BF  =  1E9    IS  =  1E-15    VAF  =  150) 
MODEL    QP  PNP(BF  =  1E9    IS  =  1E-15    VAF  =  150) 
.MODEL    DX   D(IS  =  1E-15) 
.MODEL    DY  D(IS=1E-15  BV=50) 
.ENDS  OP-260 
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99 


C9 
C10 
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2E-15 
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18  16 
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FIGURE  2:  OP-260  SPICE  Net-List 
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-  Varying  slew  rate  with  closed-loop  gain 

-  No  limits  on  power  supply  voltages 

-  Maximum  input  voltage  range 

-Temperature  effects  (i.e.,  model  parameters  are  assumed 
at  25°C) 

-  Input  noise  voltage  and  current  sources 

-  Parameter  variations  for  Monte  Carlo  analysis  (i.e.,  all 
parameters  are  typical  only) 

These  parameters  are  considered  second-order  effects  and  are 
not  considered  necessary  for  circuit  simulation  under  normal  op- 
erating conditions.  However,  users  can  easily  addthese  functions 
as  needed. 

MODEL  PERFORMANCE 

The  graphs  on  these  next  two  pages  compare  the  actual  re- 
sponses of  the  OP-260  to  the  SPICE  analysis  under  various  load 
and  gain  conditions.  To  show  the  accuracy  of  the  model 's  fre- 
quency response,  it  was  tested  in  different  gains  with  a  varying 
load  resistor  as  was  done  in  the  data  sheet.  Shown  below  are  the 
gain  and  phase  plots  for  an  closed-loop  gain  of  +2  (Figures  3, 4) 
and  aclosed-loopgain  of +1 0  (Figures 5, 6).  The  actual  responses 


 ...... , ■  oMura  waua  anu  uy  navmg  a  nearly  con- 
stant 3dB  point. 

The  model  can  also  accurately  simulate  the  OP-260 's  transient 
response.  The  comparisons  were  done  with  the  amplifier  in  a 
closed-loop  gain  of  +5  with  a  20pF  capacitive  load  and  a  2.5k£5 
feedback  resistor.  The  20pF  load  was  used  to  create  the  damped 
oscillations  in  the  small-and-large  signal  responses.  Because  of 
the  multiple  poles  and  the  accurate  modelling  of  the  parasitic 
elements,  the  model's  small-signal  transient  response  (Figure  8b) 
shows  close  resemblance  to  the  actual  response  (Figure  8a).  The 
large-signal  response  (Figure  7)  again  shows  good  accuracy.  In 
the  large-signal  response  the  actual  device  does  show  a  differ- 
ence in  the  damped  oscillations,  which  is  due  to  the  inherent 
asymmetrical  behavior  of  the  OP-260's  output  stage.  On  the  other 
hand,  the  model  assumes  a  perfectly  symmetrical  output  stage 
so  its  response  does  not  exhibit  this  difference.  The  actual  device 
also  shows  adamping  of  theovershoot of  thefirst  oscillation,  which 
is  not  modelled.  Nevertheless,  as  can  be  seen  from  the  figures, 
the  model  agrees  closely  with  the  actual  device's  performance. 
This  acurate  transient  response,  along  with  the  accurate  AC  re- 
sponse makes  the  OP-260  macro-model  a  powerful  tool  in  ana- 
lyzing circuit  stability  and  AC  behavior  under  various  gains  and 
load  conditions. 
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FIGURE  3:  Gain  Plots,  Closed-Loop  Gain  of +2  (a.  Actual  Response,  b.  Simulated  Model  Response) 
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FIGURE  4:  Phase  Plots,  Closed-Loop  Gain  of +2  (a.  Actual  Response,  b.  Simulated  Model  Response) 
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FIGURE  6:  Phase  Plots,  Closed-Loop  Gain  of +  10  (a.  Actual  Response,  b.  Simulated  Model  Response) 
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ANALOG  AN-132 
 DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


OP-470  SPICE  Macro-Model 

by  Joe  Buxton 


o-mo 


INTRODUCTION 

This  application  note  describes  the  SPICE  macro-model  forthe 
OP-470  very  low  noise  quad  operational  amplifier.  This  model 
was  tested  with  and  is  compatible  with  PSpice*  and  HSpice". 
The  schematic  and  net-list  are  included  here  so  that  the  model 
can  easily  be  used.  This  model  can  accommodate  multiple 
frequency  poles  and  zeros,  which  is  an  advanced  concept  that 
results  in  more  accurate  AC  and  transient  responses.  For  ex- 
ample, 6  poles  and  2  zeros  are  required  to  accurately  model  the 
OP-470,  which  this  model  can  easily  accommodate. 

This  macro-model  represents  one  of  the  four  amplifiers  on  one 
chip.  To  use  the  quad  amplifiers,  the  simulation  circuit  needs  only 
to  call  up  the  model  four  separate  times  and  specify  the  same 
power  supplies  each  time.  Throughout  the  OP-470  macro-model 
RC  networks  produce  multiple  poles  which  simulate  the  amplifi- 
ers AC  behavior.  The  stages,  which  each  contain  a  single  pole  or 
a  pole-  zero  pair,  are  separated  from  each  other  by  voltage- 
controlled  current  sources  so  that  it  is  easy  to  set  individual  pole 
locations.  The  only  nonlinear  elements  in  the  entire  model  are 
two  NPN  transistors  which  comprise  the  input  stage,  and  diodes 
for  voltage  clamping.  Limiting  the  model  to  almost  entirely  ideal, 
linear  circuit  elements  significantly  reduces  simulation  time  and 
simplifies  model  development. 


MODEL  DESCRIPTION 

The  schematic  (Figure  1)  and  net-list  (Figure  2)  describe  the 
complete  OP-470  model.  This  model  breaks  up  the  OP-470  in 
many  distinct  stages  as  c 

INPUT STAGE 

To  correctly  model  the  OP-470's  input  behavior,  the  model  uses 
a  differential  pair  of  NPN  transistors  biased  with  a  1  mA  current 
source  (Figure  1  a).  To  keep  this  stage  as  simple  as  possible,  only 
the  forward  beta,  Bp,  is  specified  in  the  NPN-BJT  model.  This  is 
chosen  to  give  the  correct  input  bias  current,  lg.  The  voltage 
limiting  network  of  the  OP-470  input  is  added  with  the  diodes  in 
series  with  the  voltage  source  across  the  inputs.  A  voltage  source 
is  used  instead  of  another  diode  to  save  computer  time. 


As  for  nonideal  behaviors  of  the  input  stage,  such  as  V0s.  bs. and 
C|n,  these  are  modelled  with  external  circuit  elements.  For  ex- 
ample, no  junction  capacitance  is  specified  for  the  NPN  model, 
therefore  a  capacitor,  C|N,  is  added  across  the  inputs.  Further- 
more, since  the  input  NPNs  in  this  model  are  perfectly  matched, 
Vqs  and  los  error  sources  are  added  using  an  external  voltage 
source  and  current  source,  respectively.  Lastly,  the  collector  re- 
sistors R3  and  R4  are  chosen  to  be  1/gmof  the  NPN  transistors  to 
give  a  gain  of  unity  in  the  input  stage.  C2  is  added  to  create  one  of 
the  secondary  poles  in  the  model. 

GAIN  STAGES 

The  open-loop  gain  of  the  OP-470  is  acheived  entirely  in  the  gain 
stage  (Figure  1b),  and  all  other  stages  have  unity-gain.  The  gain 
is  taken  in  two  steps  due  to  a  limit  for  only  one  step  based  on  the 
combination  of  the  slew  rate,  dominant  pole,  and  open-loop  gain. 
The  voltage-controlled  current  sources,  and  G2,  have  scaled 
transconductances  that,  when  combined  with  Rjand  Ra,  givethe 
gain  in  the  first  step  at  node  12.  The  gain  in  the  second  step  is 
produced  the  same  way,  and  together  the  two  steps  give  the  open- 
loop  gain  of  1 ,000,000.  The  current  sources  G,  and  G2  are  con- 
trolled by  the  voltage  drops  across  R3  and  R4  in  the  input  stage, 
providing  the  differential  to  single  ended  voltage  conversion.  C3 
and  C4  create  the  dominant  pole  at  5.5Hz  and  model  the 
amplifier's  slew  rate.  Lastly,  the  diodes,  D5  and  D§  and  voltage 
sources  V3  and  V4,  are  necessary  to  clamp  the  voltage  of  node 
1 5  below  the  power  supplies.  Because  the  next  stage  (Figure  1c) 
has  unity-gain  and  its  voltage  is  controlled  by  the  voltage  at  node 
15,  then  it  too  is  clamped,  at  node  18,  below  the  power  supplies. 
The  same  is  truefor  subsequent  stages,  including  theoutput,  such 
that  the  output  voltage  is  clamped  to  within  the  specified  voltage 
range. 

POLE  STAGES 

In  addition  to  the  poles  in  the  input  stage  and  the  gain  stage, 
additional  poles  are  easily  added  with  separate  stages.  The  pole 
and  pole-zero  stages  (Figure  1c-e,  g)  have  unity -gain,  which  is  a 
result  of  the  gm  of  the  voltage-controlled  current  sources  being 
the  reciprocal  of  the  resistors.  The  pole  and  zero  locations  are 
determined  by  the  resistor  and  capacitor  or  inductor  values  for 
each  stage. 


•  PSpice  is  a  registered  trademark  ot  MicroSim  Corporation. 
"  HSpioa  is  a  tradename  ol  Meta-SofMare,  Inc. 
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FIGURE  1 :  OP-470  SPICE  Macro-Model  Schematic  and  Node  List 
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OP-470  MACRO-MODEL©  AD1 1990 
;SUBCKT  OP-470  1  2  35  99  50 
*  INPUT  STAGE  &  POLE  AT  60  MHZ 
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•FIRST  GAIN 
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POLY(1)  25  29  1E-4  1 
OX 
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7  8 
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DX 
DX 

POLY(1)  99  29  -2.6  1 
POLY(1)  29  50  -2.6  1 
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;  FIRST  GAIN  STAGE  &  DOMINANT  POLE  AT  6.8  HZ 
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'  POLE  AT  ZERO  AT  1 .9  MHZ/3.5  MHZ 


R11  18  99 

R12  18  50 

R13  18  19 

R14  18  20 

C5  19  99 
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G5  99  18 

G6  18  50 
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*  ZERO-POLE  AT  5  MHZ/10  MHZ 
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*  COMMON-MODE  GAIN  NETWORK  WITH  ZERO  AT  100  HZ 
* 


"POLE  AT  50  MHZ 
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'OUTPUT  STAGE 
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*  MODEL  USED 

.MODEL  QX  NPN  (BF  =  1 66667) 
.MODELDXD(IS=1E-15) 
.MODEL  DYD  (IS  =  1  E-15  BV  =  50) 
.ENDS  OP-470 


FIGURE  2:  OP-470  SPICE  Net-List 
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COMMON-MODE  STAGE 

The  common-mode  error  is  based  on  the  common-mode  voltage 
of  the  input,  which  iscreatedby  the  two  input  resistors,  and  R2. 
This  voltage  is  referenced  by  and  G12  in  the  common-mode 
stage  ( Figure  1  f ).  The  transconductances  of  these  two  sources 
are  scaled  such  that,  in  combination  with  R21  and  R22,  the  VCM  is 
attenuated  by  the  CMRR  of  120dB.  This  error  voltage  is  then 
inserted  back  into  the  input  stage  as  part  of  the  offset  voltage, 
which  is  done  by  the  voltage  controlled  voltage  source  Eos-  Tns 
inductors,  L3and  L4,  model  the  pole  in  the  CMR  versusfrequency 
response  of  the  OP-470. 

OUTPUT STAGE 

The  output  stage  (Figure  1  h)  is  modelled  as  an  ideal  output  with 
an  output  resistance,  R27  in  parallel  with  R28.  An  inductor,  L5,  is 
added  to  model  the  rising  output  impedance  of  the  emitter-  fol- 
lower output  stage  with  frequency.  The  voltage  sources  V5  and  V6, 
and  diodes  D9  and  D10,  combine  to  limit  the  voltage  across  the 
resistors,  thus  limiting  the  output  current,  lourto  30mA. 


PARAMETERS  THAT  ARE  NOT  MODELLED 

To  keep  the  OP-470  model  as  simple  as  possible  and  thus  save 
computer  and  development  time,  not  all  features  of  the  op  amp 
were  modelled  as  listed  below: 
-PSRR 

-  Crosstalk 

-  No  Limits  on  Power  Supply  Voltages 

-  Maximum  Input  Voltage  Range 

-Temperature  Effects  (i.e.,  model  parameters  are  assumed 
at  25°C) 

-  Input  Noise  Voltage  and  Current  Sources 

-  Parameter  Variations  for  Monte  Carlo  Analysis  (i.e.,  all 
parameters  are  typical  only) 

These  parameters  are  considered  second-order  effects  and  are 
not  considered  necessary  for  circuit  simulation  under  normal 


operating  conditions.  However,  users  can  easily  add  these  func- 
tions as  needed. 


MODEL  PERFORMANCE 

The  graphs  on  these  next  two  pages  compare  the  actual 
responses  of  the  OP-470  to  the  SPICE  analysis  under  various 
load  and  gain  conditions.  To  show  the  accuracy  of  the  model's 
frequency  response,  it  was  tested  with  different  gains.  Shown 
below  are  the  gain-phase  plots  for  an  open-loop  gain  (Figures  3 
and  4)andaclosed-loopgainof-1  (Figures 5  and  6).  The  actual 
responses  (part  "a"  of  each  figure),  which  were  measured  using 
a  network  analyzer,  show  very  close  agreement  to  the  SPICE 
simulations  (part  "b"  of  each  figure).  This  agreement  holds  true 
for  both  the  gain  and  phase  curves,  which  demonstrates  the 
accuracy  of  the  model's  frequency  response. 

The  model  can  also  accurately  simulate  the  OP-470's  transient 
response.  The  comparisons  to  actual  results  were  done  with  the 
amplifier  in  a  a  closed-loop  gain  of  +1  with  a  155pF  capacitive 
load  (260pF  load  for  large  signal)  and  a  2kn  feedback  resistor. 
The  capacitive  load  was  used  to  create  the  damped  oscillations 
in  the  small  and  large-signal  reponses.  Because  of  the  multiple 
poles  and  zeros,  the  model's  small-signal  transient  response 
(Figure  7b)  shows  close  resemblance  to  the  actual  reponse  (Fig- 
ure 7a).  The  large-signal  reponse  (Figure  8)  again  shows  good 
accuracy.  Notice  in  the  large-signal  reponse  that  the  slew  rate  is 
accurately  modelled,  and  that  the  "bump"  before  the  amplifier 
starts  slewing  is  also  modelled.  As  can  be  seen  from  the  figures, 
the  model  agrees  closely  with  the  actual  device's  performance. 
This  accurate  transient  reponse,  along  with  the  accurate  AC 
reponse,  makes  the  OP-470  macro-model  a  powerful  tool  in 
analyzing  circuit  stability  and  AC  behavior  under  various  gains 
and  load  conditions. 


FIGURE  3:  Gain  Plots,  Open-Loop  Gain  (a.  Actual,  b.  Simulated) 
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FIGURE  4:  Phase  Plots,  Open-Loop  Gain  (a.  Actual,  b.  Simulated) 
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FIGURES:  Gain  Plots,  Closed-Loop  Gain  of -1  (a.  Actual,  b.  Simulated) 
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SPICE-Compatible  Op  Amp  Macro-Models 

by  Mark  Alexander  and  Derek  F.  Bowers 


There  is  a  definite  trend  towards  a  comprehensive  circuit- 
simulation  approach.  We  believe  that  75  percent  of  all  installed 
circuit  simulators  are  being  used  for  system,  rather  than  IC, 
design.  Almost  all  of  these  simulators  are  variants  of  SPICE. 
With  the  growth  of  the  electronics  industry,  system  engineers 
have  come  to  need  increasingly  accurate  models  for  an  ever 
larger  number  of  integrated  circuits,  especially  the  ubiquitous 
operational  amplifier.  However,  the  increasing  speed  and 
complexity  of  these  IC  devices  has  caused  problems  that  were 
never  anticipated  by  the  original  developers  of  SPICE. 

Because  of  the  large  number  of  active  devices  in  a  typical  op 
amp,  circuit  simulations  that  use  only  transistor-level  models 
can  take  an  unacceptable  amount  of  time,  particularly  when  the 
circuit  contains  several  op  amps.  Even  simple  models  of  semi- 
conductor devices  consume  a  large  amount  of  computing  time 
because  of  the  multiplicity  of  nonlinear  equations  involved.  In 
some  cases,  the  time  needed  for  a  complete  simulation  might 
exceed  the  time  necessary  to  build  an  engineering  prototype. 
Obviously,  such  a  situation  would  completely  defeat  the  whole 
purpose  of  using  SPICE. 

Fortunately,  you  can  reduce  simulation  time  by  using  a  macro- 
model  that  represents  the  op  amp  as  accurately  as  possible 
without  using  large  numbers  of  transistors  or  other  nonlinear 
devices.  However,  it  is  quite  a  challenge  to  design  a  macro- 
model  that,  for  all  intents  and  purposes,  exactly  mimics  the  real 
device.  For  an  op  amp  model  to  be  of  real  use  to  the  circuit 
designer,  it  must  not  only  accommodate  all  important  DC 
parameters,  but  also  provide  a  reasonbly  close  approximation 
of  the  AC  characteristics  over  a  region  that  extends  well  beyond 
the  unity-gain  crossover  frequency. 

EXISTING  MACRO-MODELS  ARE  INADEQUATE 

Macro-models  for  many  op  amps  already  exist  in  the  device 
libraries  of  several  available  software  simulators.  Most  of  these 
models  are  based  on  the  original  work  done  by  Graeme  Boyle 
and  his  colleagues  (see  Reference  1),  who  developed  their 
macro-model  during  the  mid-1970s  to  ease  the  CPU-time 
crunch  on  the  already  overloaded  mainframe  computers  of  the 
day.  Boyle  eliminated  all  but  two  transistors  from  his  macro- 


model.  The  two  remaining  devices  formed  the  differential-input 
stage  of  the  op  amp;  all  subsequent  stages  were  implemented 
with  linear  controlled  sources,  passive  components,  and  di- 
odes. The  transistors  in  the  input  stage  were  retained  because 
they  facilitated  the  simulation  of  real-world  effects  such  as  bias 
currents  and  variation  of  output  dV/dt  with  the  differential  input 
voltage. 

Because  Boyle's  method  greatly  reduces  the  number  of  overall 
nonlinear  elements,  the  simulation  time  required  per  amplifier 
also  decreases  substantially.  The  Boyle  structure  is  certainly  an 
improvement  over  a  full  transistor-level  simulation,  but  the 
structure  still  has  several  deficiencies,  which  prompted  the 
development  of  the  new  macro-model.  The  deficiencies  are  as 
follows: 

-  The  Boyle  model  provides  only  two  poles  (and  no  zeroes)  for 
shaping  the  frequency  response  of  the  complete  amplifier  - 
a  configuration  that  is  barely  adequate  for  slower  op  amps, 

'  insufficient  for  today's  faster  devices. 

illy  generated  node  voltages  are  referenced  to 
ground,  even  if  the  amplifier  is  "floated"  with  respect  to 
ground.  This  configuration  is  not  representative  of  the  true 
operation  of  an  op  amp  -  almost  none  of  the  available 
devices  provide  a  ground  reference. 

-  The  output-terminal  current  flows  out  of  a  controlled  source 
connected  to  ground,  instead  of  from  the  power-supply  rails 
as  it  would  in  a  real  amplifier.  This  feature  completely 
precludes  the  simulation  of  circuits  that  depend  on  the  amp's 
output  current  splitting  correctly  between  the  supply  rails. 

IDEAL  ELEMENTS  CAN  REDUCE  COMPLEXITY 

The  circuit  topology  of  the  original  Boyle  model  (Figure  1 )  was 
developed  using  two  basic  macro-modeling  techniques  (called 
simplification  and  build-up)  that  proved  very  useful  in  the  devel- 
opment of  the  new  macro-model  as  well. 

The  simplification  technique  successively  reduces  the  com- 
plexity of  major  internal  stages  of  the  op  amp  by  using  simple 
ideal  elements  to  replace  real  portions  of  the  circuit.  Therefore, 
you  can  expect  a  functional  block  that  uses  this  approach  to 
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FIGURE  1 :  A  serious  disadvantage  to  the  Boyle  op  amp  macro-model  is  that  all  voltages  are  referenced  to  ground. 
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FIGURE  2:  The  new  op  amp  macro-model  is  inherently  modular.  You  can  cascade  any  of  the 
number  of  poles  and  zeroes  in  your  op  amp  design. 

closely  resemble  the  actual  circuit.  In  Figure  1,  the  model  of  the 
input  stage  is  a  good  example  of  simplification.  The  model 
retains  the  differential-input  characteristics  of  an  emitter- 
coupled  pair,  but  eliminates  any  active  loads;  it  replaces  the  tail- 
current  source  with  an  ideal  element;  and  it  assumes  the  task  of 


)cks  to  obtain  any 


generating  the  second  amplifier  pole.  Adding  a  single  capacitor 
(CE)  allows  the  model  to  provide  a  pole  in  this  stage,  and  the 
reduction  in  overall  component  count  makes  the  simulation  run 
faster. 

■ 
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The  build-up  technique,  on  the  other  hand,  lets  you  construct  a 
circuit  block  composed  entirely  of  ideal  elements,  which  very 
closely  emulates  the  behavior  of  the  real  section  of  the  device. 
Unfortunately,  the  build-up  technique  often  results  in  subsec- 
tions that  bear  little  resemblance  to  their  physical  equivalents. 
Figure  1's  output  stage  is  a  good  example:  it  provides  the 
necessary  output  voltage  clipping,  has  the  correct  output  resis- 
tance, and  also  provides  short-circuit  current  limiting;  but  does 


not  look  like  anything  one  would  expect  to  find  in  the  schematic 
of  a  real  op  amp. 

DEVELOPMENT  OF  AN  IMPROVED  MACRO-MODEL 

The  impetus  behind  the  new  macro-model  (Figure  2),  arose  out 
of  the  desire  to  create  a  model  that  operates  like  a  real  op  amp. 
Yet  it  still  had  to  be  simple  enough  so  that  it  would  suffice  as  a 
generic  model.  Figures  3, 4  and  5  show  that  the  model  consists 
of  several  cascaded  sections  that  process  the  input  signal. 
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FIGURE  3:  The  input  stage  of  the  new  model  resembles  that  of  the  Boyle,  but  all  succeeding  stages  have  a 
radically  different  structure. 
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FIGURE  4:  Three  types  of  frequency-shaping  networks  are  available,  in  addition  to  a  common-mode  gain  stage  that 
provides  a  zero. 
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IE  5:  The  new  output  stage  is  complemented  by  current 
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sources,  which  correctly  split  the  load  current  between  the 


The  input  stage  is  very  similar  to  the  Boyle  model's  because  the 
simplification  technique  was  used  in  its  construction.  However, 
after  the  input  stage,  all  similarity  between  the  two  macro- 
models  disappears  because  of  the  way  the  build-up  method 
was  used  to  generate  the  rest  of  the  new  model.  Notice  that 
there  is  no  ground  reference  in  any  of  the  signal-processing 
blocks.  Instead,  after  differential  to  single-ended  conversion,  all 
internally  generated  node  voltages  are  referred  to  the  midpoint 
between  the  supply  rails.  This  midpoint,  called  VH  in  the  model, 
is  generated  by  two  equal  resistors  connected  between  the 
supply  rails. 

The  minimum  requirement  for  modeling  any  particular  op  amp 
with  the  new  macro-model  is  essentially  the  same  as  for  the 
Boyle  topology:  a  differential-input  stage,  a  gain  stage,  and  an 
output  stage.  This  configuration  yields  a  basic  two-pole  fre- 
quency response  and  allows  direct  comparisons  between  the 
two  types  of  macro-models  in  terms  of  simulation  time.  You  can 
add  any  combination  of  unity-gain  pole,  pole-zero,  and  zero- 
pole  blocks  between  the  gain  stage  and  the  output  stage  in 
order  to  obtain  the  desired  frequency-dependent  roll-off  of  the 
open-loop  gain.  The  difference  between  the  blocks  is  that  the 
pole-zero  block  generates  a  pole  at  a  lower  frequency  than  that 
of  the  zero,  whereas  the  zero-pole  generates  a  pole  at  a  higher 
frequency  than  that  of  the  zero. 

Box  2,  "Calculation  of  Model  Parameters,"  shows  the  calcula- 
tions that  you  must  perform  in  order  to  construct  an  op  amp 
model  based  on  the  building  blocks  of  Figures  3,  4  and  5.  You 
can  do  these  calculations  quite  easily  on  a  hand  calculator, 
given  certain  data  sheet  parameters  of  the  op  amp  in  question, 
together  with  the  necessary  pole-zero  locations. 

The  input  stage  in  Figure  3  is  a  simplified  2-transistor  circuit. 
One  majordifference  between  the  new  model  and  its  predeces- 
sor is  that,  in  the  new  model,  the  input  stage  uses  the  same  type 
of  input  devices  as  the  physical  op  amp  -  that  is,  NPN  or  PNP 


bipolars,  P-channel  JFETs  (or  N-channel  devices  where  appli- 
cable), or  MOSFETs.  The  Boyle  model  allows  only  for  bipolar 
devices  in  its  input  stage,  which  are  fine  if  a  bipolar  input  op  amp 
is  being  modeled.  However,  when  you  model  a  FET  input  op 
amp  with  the  Boyle  technique,  you  have  to  dramatically  in- 
crease the  current  gain  of  the  input  transistors  in  order  to  obtain 
the  desired  input  bias  current.  You  must  also  use  emitter 
degeneration  to  reduce  their  transconductance.  The  result  of 
these  modifications  is  that  the  usual  variation  of  output  dV/dt  of 
a  FET  input  amplifier  over  a  fairly  wide  input-differential  voltage 
range  (typically  1  to  2V)  will  not  be  correctly  simulated.  A 
degenerated  bipolar  input  stage  has  a  linearized,  hyperbolic- 
tangent  transfer  characteristic  (See  Reference  2),  whereas  a 
FET  input  stage  has  a  square-law  transfer  characteristic  (See 
Reference  3).  Obviously,  these  characteristics  are  not  equiva- 
lent. Therefore,  because  the  parameter  calculations  for  a  FET 
input  stage  are  no  more  complicated  than  those  of  a  bipolar 
stage,  it  makes  sense  to  use  the  correct  input  devices  in  the 
model. 

All  input-stage  parameters  (such  as  offset  voltage,  offset  cur- 
rent, and  input  capacitance)  that  exhibit  nonideal  behavior  are 
modeled  using  separate  ideal  elements.  Also,  two  equal  resis- 
tors are  connected  between  the  inverting  and  noninverting  input 
terminals  to  generate  the  common-mode  input  voltage.  The 
input  voltage  is  used  in  a  later  section  of  the  model,  where  it  is 
scaled  and  frequency-shaped  before  being  fed  back  into  the 
input  stage  as  a  modifier  to  the  offset  voltage. 

The  model  assumes  that  the  input  transistors  are  perfectly 
matched  and  do  not  have  any  junction  capacitance  that  would 
alter  the  overall  frequency  response.  It  does  account  for  the 
correct  input-bias  current,  however,  through  appropriate  choice 
of  current  gain  for  the  bipolar  stage  or  gate-leakage  currents  for 
the  FET  stage.  You  set  the  voltage  gain  of  the  differential  pair 
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THE  EVOLUTION  OF  SPICE  SIMULATORS 

The  electrical-circuit  simulator  SPICE,  and  the  more 
powerful  version  called  SPICE2,  originally  emanated  from 
the  University  of  California,  Berkeley,  during  the  1970s 
(see  Reference  4).  Primarily  written  for  the  purpose  of  as- 
sisting design  engineers  with  the  analysis  of  integrated 
circuits  at  the  transistor  level  (hence  the  acronym 
Simulation  Program  with  /htegrated  Circuit  Emphasis), 
SPICE  lets  you  use  a  computer  to  evaulate  your  designs 
more  quickly  and  more  thoroughly  than  is  possible  by 
means  of  laborious  hand  calculations.  The  popularity  of 
SPICE  soon  spread  to  the  system-level-design  community 
for  the  same  reasons  that  the  IC  designers  embraced  it. 

The  original  version  of  SPICE  was  a  public-domain 
program  available  at  a  purely  nominal  charge;  however, 
many  software  vendors  have  recognized  the  need  for  a 
fully  supported,  adapted,  and  improved  commercial  circuit 





simulator.  The  first  mainframe-based  versions  of  such 
programs  included  HSpice  from  Meta-Software,  l-Spice 
from  NCSS  timesharing  and  PRECISE  from  Electronic 
Engineering  Software.  Recently,  most  mainframe  versions 
have  been  adapted  for  use  on  workstations,  and  some 
have  been  adapted  for  IBM  PCs  and  compatibles. 

The  first  PC-based  version  of  SPICE  was  PSpice  from 
MicroSim  Corp.  It  was  followed  by  others,  such  as  IS- 
Spice  from  Intusoft.  Other  companies,  including  Analogy 
Inc  (which  offers  a  behavioral-simulation  package  known 
as  Saber),  have  chosen  to  depart  from  the  conventional 
SPICE  format  of  using  "boxed"  circuit  elements  to  con- 
struct models.  Instead,  Saber  relies  on  rigorous  defining 
equations  written  in  a  specific  modeling  language,  called 
Mast,  to  control  the  behavior  of  any  desired  electrical 
circuit  model. 


to  unity  by  making  the  load  resistor  value  equal  to  the  reciprocal 
of  the  transconductance  of  the  transistors.  This  assumption 
simplifies  the  calculations  to  determine  the  slew-rate-limiting 
components.  Tail  current  for  the  input  stage  is  nominally  set  to 
1  mA  for  convenience;  however,  it  can  be  scaled  down  to  1 00u,A, 
10uA,  or  1uA  depending  on  the  amp's  total  quiescent  current. 

GAIN  STAGE  FEATURES 

The  model's  open-loop  gain  is  normally  achieved  in  a  single 
stage  (See  Figure  3),  which  consists  of  two  voltage-controlled 
current  sources,  two  resistors,  two  capacitors,  and  a  voltage- 
limiting  network.  The  conversion  of  signals  from  differential  to 
single-ended  form  also  takes  place  during  this  stage.  The 
voltage-limiting  network  consists  of  a  pair  of  diodes,  each 
connected  to  its  own  voltage  source.  The  network  prevents  the 
gain  stage  and  the  other  internal  nodes  of  the  model  from 
swinging  beyond  the  power-supply-rail  voltages  during  an  in- 
put-overdrive condition.  Voltage  limiting  must  take  place  in  the 
open-loop  gain  stage;  otherwise,  succeeding  nodes  could  at- 
tempt to  simulate  the  generation  of  huge  (hundreds  of  kilovolts) 
signals. 

Two  capacitors,  connected  in  parallel  with  the  resistors,  deter- 
mine both  the  dominant  amplifier  pole  and  the  slew  rate.  At 
present,  the  macro-model  can  handle  only  symmetrical  positive 
and  negative  slew  rates,  because  symmetry  is  the  easiest 
condition  to  simulate.  However,  future  enhancements  may 
allow  for  some  variation  between  them.  Finally,  to  each  of  the 
two  voltage-controlled  current  sources,  the  stage  adds  a  DC 
component  that  makes  up  the  bulk  of  the  amp's  quiescent 
supply  current. 

Investigation  of  op  amp  frequency  response  reveals  that,  in 
most  cases,  accurate  simulation  of  the  gain  and  phase  variation 
of  real  devices  at  high  frequencies  requires  more  than  two 
poles.  Further,  different  types  of  op  amps  have  varying  numbers 


of  poles  and  zeroes.  To  allow  each  of  these  diverse  types  to  be 
easily  converted  to  a  SPICE-compatible  subcircuit  -  without 
having  to  start  from  scratch  every  time  -  a  truly  general  model 
would  have  to  be  highly  modular  and  permit  arbitrarily  large 
numbers  of  poles  and  zeroes.  Therefore,  the  final  structure 
uses  a  few  basic  building  blocks  that  are  common  to  all  individ- 
ual op  amp  models.  These  blocks  are  shown  in  Figure  4. 

All  of  the  frequency-shaping  blocks  have  unity-gain  at  DC, 
because  the  gm  of  each  voltage-controlled  current  source 
(VCCS)  is  equal  to  the  reciprocal  of  the  resistance  connected 
from  each  node  of  the  VCCS  (voltage-controlled  current  source) 
to  the  power-supply  rails.  This  topology  is  advantageous  be- 
cause during  model  generation  for  a  specific  amplifier,  you  can 
comment  out  separate  poles  or  pole-zero  pairs.  You  can  then 
see  their  effect,  individually,  on  the  net  frequency  response  of 
the  amplifier,  so  that  pole-zero  tweaking  becomes  rather  easy. 
Because  all  the  frequency-shaping  blocks  have  unity-gain  at 
DC,  the  procedure  does  not  alter  the  model's  DC  open-loop 
gain. 

The  common-mode  gain  stage  in  Figure  4  consists  of  two 
VCCSs  that  drive  two  equal  resistors,  each  resistor  is  con- 
nected in  series  with  an  inductor  to  one  of  the  supply  rails.  The 
inductors  simulate  the  typical  fall-off  of  CMRR  that  most  ampli- 
fiers exhibit  as  the  input  frequency  increases.  The  input  com- 
mon-mode voltage,  relative  to  the  Vh  node,  controls  the  current 
sources.  Each  controlled  source  has  a  gm  equal  to  the  recipro- 
cal of  the  associated  resistor  value  divided  by  the  CMRR  of  the 
amplifier  at  DC. 

Accordingly,  the  gain  from  the  input  common-mode  network  to 
the  internal  common-mode  gain  node  is  equal  to  the  reciprocal 
of  the  amplifier's  CMRR.  (The  term  "gain"  is  a  misnomer  here, 
because  the  common-mode  gain  has  a  value  that  is  much  less 
than  unity). 


OPERATIONAL  AMPLIFIERS  13-159 


The  inductors  add  a  zero  to  the  common-mode  gain,  which  is 
the  same  as  adding  a  pole  to  the  CMRR.  The  common-mode 
voltage,  after  being  scaled  and  appropriately  frequency- 
shaped,  is  then  added  back  to  the  input  stage  as  dictated  by 
theory.  This  step  is  done  by  making  the  offset-voltage  source  in 
the  input  stage  a  unity-gain  voltage-controlled  voltage  source, 
which  has  a  DC  component  equal  to  the  amplifier's  VQS. 

The  operation  of  the  output  stage  in  Figure  5  is  not  entirely 
obvious.  The  internal  op  amp  output  signal,  after  receiving  all 
the  appropriate  frequency  shaping,  appears  as  a  voltage  refer- 
enced to  Vh  at  the  last  node  prior  to  processing  by  the  output 
stage.  The  two  voltage-controlled  current  sources  in  the  output 
block  drive  two  equal  resistors  connected  to  the  supply  rails,  as 


with  the  other  blocks.  Here,  however,  the  g  of  the  two  con- 
trolled  sources  is  arranged  so  that  they  act  as  active  current 
generators.  Consequently,  each  gm  source  generates  just 
enough  current  to  provide  the  desired  voltage  drop  across  its 
paralleled  resistor. 

When  there  is  no  load  on  the  output,  the  model  draws  no  current 
from  either  power-supply  rail.  It  thus  behaves  somewhat  like  an 
ideal,  unity-gain,  class-B  output  stage  with  no  crossover  distor- 
tion. Because  the  two  resistors  are  each  equal  to  twice  the 
open-loop  output  resistance,  the  output  stage  appears  to  act  as 
a  voltage  source  referenced  to  Vh  with  the  correct  DC  output 
resistance.  Simulating  the  right  output  resistance  means  that 
the  DC  open-loop  gain  will  be  properly  reduced  as  the  amplifier 
is  loaded. 


BOX  2 
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CALCULATION  OF  MODEL  PARAMETERS 

The  following  equations  allow  you  to  create  an  improved 
macro-model  for  simulation  of  any  op  amp.  The  calcula- 
tions are  given  separately  for  each  of  the  available 
building  blocks,  and  some  power  supply  considerations 

are  discussed 

„LCULAT,ONS 
a.  General  Calculations 

Refer  to  Figure  3  to  identify  components  and  signals 
mentioned  here.  First,  Choose  lEE  such  that  it  is  some- 
what less  than  the  amp's  total  quiescent  current.  For 
convenience,  you  may  set  l„  to  1mA,  100uA,  10uA,  or 
1uA  Then 


C2  =cs  - c..rp.T[: 

SLEW  HA  It 


R7  =  Rg  =       1  ; 

27ifpi  C? 


were  f, 


p1  =  dominant  amplifier  pole. 


G2  = 


Avol 


R7  ' 

where  AV0L  =  open-loop  DC  gain 


C,  =- 


■ 


4ti  fp2  Ffa 


where  f    =  second  amplifier  pole 
V1=Vcc-(+VOUTMAX)  +  VTln(2lEE/ls) 

V2  =  (-VOUTMAX>  -VEE  +  WW^) 

27°C 


ts  =  1  x  1 0"12  A  (FOR  BOTH  DIODES). 

You  can  substitute  some  data  sheet  parameters  directly 
into  the  model.  These  parameters  are: 

Eos  =  Input  Offset  Voltage  (DC  component  only); 

los  =  Input  Offset  Current;  C  N  =  Input  Capacitance. 


b.  Bipolar  Input-Stage  Calculations 

First,  you  must  evaluate  the  following  equation  to  deter- 
mine whether  the  op  amp  in  question  can  be  modeled 
using  the  new  macro-model: 

AVOL<SLEWRATE, 

4sfpi  VT 
Where  VT  =  0.02585V  at  27°C. 

If  the  equation  holds  true,  then  you  may  proceed  with  the 
rest  of  the  calculations.  If  not,  then  you  must  modify  the 
model  to  accommodate  this  particular  op  amp. 


R5  =  Rs  -  R3  - 


Pf 


2  Ibias 

I  EE 


2Vr 
Iee 


where  pF  is  the  forward  current  gain  of  the  input  transis- 
tors, and  lB|AS  is  the  input  bias  current. 


R1  =R2 


Rid 


2  Pf  Rs 


<  5x  10"£}, 


where  R)D  is  the  differential  input  resistance.  If  R|D  is  not  a 
specified  data  sheet  parameter,  then  set  both  R1  and  R2 
to  the  value  5  x  1011£1. 
c.  JFET  Input-Stage  Calculations 

If  your  design  has  a  JFET  input  stage,  use  the  default 
value  of  -2.000V  for  the  gate-to-source  cutoff  voltage  VTQ. 
Also,  change  the  name  of  the  first-stage  current  source  to 
lss.  The  main  calculation  is  to  determine  p,  the  JFET  gain 
factor:  ^ 

2  lss  ' 

where  Igg  is  the  first-stage  tail  current. 

For  maximum  output  dV/dt,  the  tail  current  must  originate 
from  one  side  only  of  the  differential  pair;  this  condition 
requires  a  differential  input  voltage  equal  to: 

V|D     /2~  (SLEW  RATE) 

2ji  Avol  fpl 
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BOX  2  Continued 


Also,  the  input  bias  current  is  composed  of  he  i 
and  gate-source  leakage  currents.  Thus, 

|s  _  Ibias 

where  lB|AS  is  the  input  bias  current  a  27°C 

ential  input  resistance  (normally  1  x 


R,  =R2 


Common-Mode-Gain-Stage  Calcu  atlons 

To  identify  the  parameters  of  the  common-mode  gain 
stage,  refer  to  Figure  4. 


where  Rln  is  the  d 
1012£1.  'D 

Finally,  you  can  set  the  values  of  R5  and  R.  to  zero,  be- 
cause degeneration  is  not  normally  needed  with  JFET 
input  amplifiers. 

Frequency-Shaping-Stage  Calculations 

To  identify  parameters  of  the  frequency-shaping  stages, 
refer  to  Figure  4.  In  all  three  types  of  the  frequency- 
shaping  stage,  set  G3  and  G4  to  I  x  1 0"6  times  A/V,  for 
convenience.  Further,  fz  is  the  zero  frequency  and  fp  is 


G7  =G8 


u-u- 


1  X  106 
1 


R19xCMRR 


the  pole  frequency 
Then  for  the  pole-zero  stage, 
R„  =RU-1  x106 
R11 


2*  fp(CM) 

where  fCM  is  the  common-mode  pole. 
Output-Stage  Calculations 

To  identify  the  parameters  of  the  output  stage,  refer  to 
Figure  5.  The  breakdown  voltage  of  diodes  D7  and  D8  is 
nominally  set  to  50V.  The  value  of  inductor  L5  is  deter- 
mined by  experiment.  ROUT  is  that  open-loop  output 
resistance;  VT  is  0.02585V  at  27°C;  and  ls  is  1  x  10"12A 
for  all  diodes.  Then,  ^ 


R12  =  R13 


fz/fp  -1 

1 

2n  fz  R12 
for  the  zero-pole  stage, 


C4  =Cs 


Gn 
Ro, 


-G12  -G13 
R. .  =  2  x  R„ 


:G14  = 


Li 


L2 


=  (fp^z-  D  R16; 
R15/18 


Va-lsc^RouT-VT1^20''10^) 
V4  -  IW+VEJRourl  -VTln(20  x  10^/y 

You  can  determine  the  values  of  resistors  Rg  and  R10  in 
Figure  3  by  means  of  the  following  equation: 

Rg  =  R10  = 

1  dlgy/dVgy  represents  the  variation  of  supply  current 
id  by  a  cnange  in  the  supply  voltage.  The  total  quies- 
cent current  that  flows  between  Vcc  and  VEE  in  the  model 


2rc  fp 
for  the  pole  stage, 
:  1  x  106 
1 


is  thus: 

ISY  "  lEE  + 


(N  +  1) 


Vcc  -  Vee 


2R 


22 


C6  =  C7 


2k  fp  R21 


where  N  is  the  total  number  of  frequency-shaping  and 
common-mode  gain  stages  in  the  model;  R  is  normally  1  x 
106£1;  this  value,  along  with  the  transconductance  of  the 
G-sources  in  the  frequency  shaping  stages,  can  be  appro- 
priately scaled  for  low  power  op  amps; 

and  Lc  is  the  DC  offset  added  to  the  G,  and  G,  sources 
to  make  up  the  difference  between  the  current  drawn  by 
the  rest  of  the  model  and  the  quiescent  current  of  the 




A  subtle  problem  exists  with  this  simple  push-pull  output  stage, 
however.  Regardless  of  whether  that  stage  is  sinking  or  sourc- 
ing  current,  the  load  current  is  always  split  equally  between  both 
rails  -  not  exactly  what  a  real  output  stage  would  do.  So,  with  a 
sourced-load  current,  for  example,  the  net  positive  supply 
current  increases  by  only  half  the  amount  flowing  in  the  load. 
The  negative  supply  current  decreases  by  the  same  amount.  To 
compensate  for  this  anomaly,  you  force  a  current  from  the 
positive  rail  to  the  negative  rail  exactly  equal  to  half  the  load 


current.  This  correction  current  must  always  flow  in  the  same 
direction  -  even  if  the  output  current  reverses  polarity. 


The  effect,  therefore,  of  the  two  correction  sources  in  Figure  5 
is  to  force  a  unipolar  compensating  current  between  the  power- 
supply  rails  that  is  equal  to  half  the  output  current.  In  SPICE, 
because  there  is  no  easy  way  to  implement  an  absolute  value 
VCCS,  there  must  be  two  linear  correction  sources  -  one  for 
each  half  cycle  of  output  current.  The  diodes  in  series  with  each 
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FIGURE  6:  77ie  OP-42  macro-model  is  more  complex  than  its  Boyle  counterpart,  requires  more  time  for  simulation,  but  pays  off 
in  greatly  improved  accuracy. 
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LISTING  1:  OP-42  SPICE  Macro-Model  Net  List 







•POLE  AT 53 MHZ 

1E6 
1E6 
3E-15 

17  241E-6 
24  17  1E-6 

uprr  ani  nisido  nei  uoY  .etiristsk'ti  mqlm 


OP-42  MACRO-MODEL    ePM1 1990 

•  SUBCKT  OP-42  1  2  30  99  50 

*  INPUT  STAGE  &  POLE  AT  15.9  MHZ 


R1 

1 

3 

R2 

2 

3 

R3 

5 

50 

R4 

6 

50 

CIN 

1 

2 

C2 

5 

6 

11 

99 

4 

IOS 

1 

2 

EOS 

7 

1 

J1 

5 

2 

J2 

6 

7 

'  SECOND  ST/ 

R5 

9 

99 

R6 

9 

50 

C3 

9 

99 

C4 

9 

50 

G1 

99 

9 

G2 

9 

50 

V1 

99 

8 

V2 

10 

50 

D1 

9 

8 

D2 

10 

9 

■ 


5E11 
5E11 
707.36 
707.36 
5E-12 
7.08E-12 
1E-3 
4E-12 

POLY(1)  20  24  1E-3  1 

JX 

JX 


176.84E6 
176.84E6 
20E-12 
20E-12 


POLY(1) 

POLY(1) 

2.5 

3.1 

DX 

DX 


5  6  3.96E-3  1.4137E-3 

6  5  3.96E-3  1.4137E-3 


■  POLE-ZERO  PAIR  AT  1 .80  MHZ/2.20  MHZ 


R7 

11 

99 

1E6 

R8 

11 

50 

1E6 

R9 

11 

12 

4.5E6 

R10 

11 

13 

4.5E6 

C5 

12 

99 

16.1E-15 

C6 

13 

50 

16.1E-15 

G3 

99 

11 

9   24  1E-6 

G4 

11 

50 

24   9  1E-6 

•  POLE-ZERO  PAIR  AT  1 .80  MHZ/2.20  MHZ 


R11  14 
R12  14 
R13  14 
R14  14 
C7  15 
C8  16 
G5  99 

99 
50 
15 
16 
99 
50 
14 

1E6 

1E6 

4.5E6 

4.5E6 

16.1E-15 

16.1E-15 

11  24  1E-6 

G6  14 

50 

24  11  1E-6 

•POLE  AT  53  MHZ 

R15  17  99 

R16  17  50 

C9  17  99 

C10  17  50 

G7  99  17 


rl 


1E6 

1E6 

3E-15 

3E-15 

14  24  1E-6 

24  14  1E-6 


R17 

R18 

C11 

C12 

G9 

G10 


18 
18 
18 
18 
99 
18 


50 
99 
50 
18 
50 


'POLE  AT  53  MHZ 


R19 
R20 
C13 
C14 
G11 
G12 


99 
50 
99 
50 
19 
50 


1E6 

1E6 

3E-15 

3E-15 

18  24  1E-6 

24  18  1E-6 


•COMMON-MODE  GAIN 


R21 

R22 

L1 

L2 

G13 

G14 


20 
20 
21 
22 
99 
20 


21 

22 
99 
50 
20 
50 


NETWORK  WITH  ZERO  AT  100  KHZ 

1E6 
1E6 
1.5915 
1.5915 

3  24  1.58E-11 
24   3  1.58E-11 


•POLE  AT  79.6  MHZ 


•OUTPUT  STAGE 


1E6 
1E6 
2E-15 
2E-15 
19  24  1E-6 
!4  19  1E-6 


R25 

24 

99 

R26 

24 

50 

R27 

25 

99 

R28 

25 

50 

L3 

25 

30 

G17 

28 

50 

G18 

29 

50 

G19 

25 

99 

G20 

50 

25 

V3 

26 

25 

V4 

25 

26 

D3 

23 

26 

D4 

27 

23 

D5 

99 

28 

D6 

99 

29 

D7 

50 

28 

D8 

50 

29 

111. 1E3 
111. 1E3 
90 
90 

2.5E-7 

23  25  11.1111E-3 
25  23  11.1111E-3 
99  23  11.1111  E-3 
23  50  11.1111  E-3 
0.7 
0.7 
DX 
DX 
DX 
DX 
DY 
DY 


;  MODELS  USED 

•MODELJXPJF(BETA=999  3E-6  VTO= 
•MODEL  DX  D(IS=1E-15) 
•MODEL  DY  D(IS=1E-15BV= 


-2.000  IS=8E-11) 


source  perform  half-wave  rectification,  and  the  zeners  ensure 
that  there  is  always  a  conductive  path  for  each  source  when  its 
current  reverses  direction.  The  net  result  of  all  these  additional 
elements  is  an  output  stage  model  whose  DC  behavior  very 
closely  mimics  that  of  the  phycial  circuit. 

To  account  for  the  typical  rise  in  emitter-follower  output  stage 
impedance  with  frequency,  the  macro-r 


inductor  connected  between  the  intermediate  output  node  and 
the  actual  macro-model  output  node  (see  Figure  5).  You  deter- 
mine the  value  of  this  inductor,  on  a  trial-and-error  basis,  by 
using  capacitive  loads  on  the  model  until  the  amount  of  over- 
shoot is  very  close  to  that  which  you  observed  with  the  real  op 
amp  and  the  same  load. 
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Short-circuit  current  limiting  is  also  a  necessary  feature  of  any 
good  op  amp  macro-model.  In  Figure  5,  limiting  is  accomplished 
by  clamping  the  output  voltage  (VF)  from  the  previous  fre- 
quency-shaping stage  to  the  intermediate  output  node  (V0), 
using  diodes  D3  and  D4,  and  voltage  sources  V3  and  V4. 
Remember  that  the  signal  from  the  previous  stage  is  always 
equal  to  the  ideal  output  voltage  with  no  load,  and  that  the  output 
stage  behaves  as  a  voltage  source  with  a  finite  output  resis- 
tance. The  action  of  the  diodes  and  voltage  sources  is  then 
equivalent  to  clamping  the  voltage  drop  across  the  effective 
output  resistance.  You  can  obtain  the  required  output  current 
limiting  by  an  appropriate  choice  of  each  voltage  source. 

Because  the  main  goal  of  the  new  structure  is  to  provide 
improved  AC  accuracy,  the  model  must  also  correctly  represent 
the  common-mode  behavior.  So,  the  modeling  team  selected 
the  PMI  OP-42,  a  JFET-input  op  amp,  as  its  first  guinea  pig, 
largely  because  the  Boyle  model  cannot  properly  accommo- 
date a  JFET  input  stage.  Although  the  team  had  to  work  out  all 
the  equations  pertaining  to  the  JFET  input  stage  before  they 
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FIGURE  7:  When  you  connect  the  OP-42  in  a  unity-gain, 
inverting  configuration,  the  gain  response  shows  a  slight 
peak  at  about  6MHz;  there  is  a  rapid  increase  in  phase  shift 
above  2MHz. 
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FIGURE  8:  Using  the  new  macro-model,  the  simulated  gain  response  (a)  of  the  OP-42  is  very  like  that  of  the  real  device,  with  a 
slight  peak  at  4MHz.  The  phase-response  (b)  is  very  good.  This  curve  closely  follows  that  of  the  real  device. 
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FIGURE  9:  The  Boyle  model  of  the  OP-42  (a)  does  not  show  the  amplitude  peak  at  4MHz  that  is  characteristic  of  the  real 
device.  The  phase  response  (b)  also  is  not  very  accrurate,  especially  in  the  regoin  beyong  10MHz. 


13-164    OPERATIONAL  AMPLIFIERS 


FIGURE  10:  An  OP-42  with  a  430pF  capacitive  load  shows 
both  overshoot  and  undershoot  when  driven  with  a  500kHz, 
200m  V  peak  square  wave. 

could  test  the  complete  model,  this  stage  turned  out  to  be  fairly 
easy  to  handle  mathematically  and  did  not  hinder  the  develop- 
ment of  the  final  macro-model  structure. 

Figure  6  shows  the  resulting  implementation.  The  physical  OP- 
42  has  a  gain-bandwidth  product  of  approximately  10MHz  and 
a  symmetrical  slew  rate  of  50V/u.s.  The  CMRR-versus-fre- 
quency  curve  of  this  amplifier  indicates  that  a  zero  at  about 
100kHz  is  necessary  in  the  model's  common-mode  gain  stage. 

Listing  1  shows  the  net  list  for  the  OP-42  macro-model,  which 
has  8  poles,  2  zeroes,  plus  a  zero  in  the  common-mode  gain 
stage  at  100kHz.  The  model  of  even  a  relatively  stable  amplifier 
needs  that  many  poles  and  zeroes  in  order  to  accurately  mimic 
the  gain  and  phase  behavior  of  the  physical  device  at  high 
frequencies. 

Inspection  of  the  output-stage  section  of  the  net  list  shows  that 
the  open-loop  output  resistance  is  45£i.  A  250nH  inductor, 
connected  in  series  with  the  output  terminal,  compensates  for 
the  rise  in  effective  open-loop  output  impedance  at  high  fre- 
quencies. The  current-limiting  network  formed  by  diodes  D3 
and  D4  and  voltage  sources  V3  and  V4  clamps  the  maximum 
output  current  at  approximately  ±30mA. 

SIMULATION-ACCURACY  COMPARISONS 

Figure  7  shows  the  gain  and  phase  response  of  a  physical  OP- 
42  connected  as  an  inverting,  unity-gain  amplifier  that  has  1k£2 
input  and  feedback  resistors  and  runs  from  ±15V  supplies.  You 
can  see  a  small  amount  of  peaking  (about  2dB)  in  the  closed- 
loop  gain  curve,  and  the  phase  shift  increases  rapidly  above 
2MHz.  Figures  8a  and  8b  show  the  gain  and  phase  response  of 
the  new  OP-42  macro-model  under  the  same  conditions.  The 
gain  response  shows  the  same  amount  of  closed-loop  peaking 
as  that  of  the  real  circuit;  the  phase  response  almost  exactly 
matches  that  of  the  real  device  to  at  least  10MHz. 

Figures  9a  and  9b,  which  show  the  corresponding  output  curves 
from  the  Boyle  implementation,  clearly  demonstrate  the  defi- 
ciencies in  the  Boyle  model's  response  accuracy.  The  gain 
response  does  not  show  the  2dB  peak,  indicates  too  steep  a 
roll-off,  and  is  quite  inaccurate  above  10MHz.  The  Boyle 
model's  phase  response  does  not  even  come  close  to  the  real 
circuit's  response.  The  OP-42  macro-model,  with  its  multiple 
pole-zero  complement,  emulates  the  AC  response  of  the  actual 
circuit  more  accurately. 


FIGURE  11  :The  new  macro-model's  simulation  of  an  OP-42 
with  a  capacitive  load  of  430pF  shows  the  symmetrical 
nature  of  the  model's  output  stage. 


FIGURE  12:  The  Boyle  model  of  the  OP-42  simulates 
approximately  the  right  amount  of  overshoot,  but  its  ringing 
frequency  is  too  low. 

Figure  1 0  shows  the  measured  transient  response  of  the  invert- 
ing, unity-gain  OP-42  amplifier  with  a  430pF  capacitive  load. 
For  a  400m  V  input  signal,  there  is  about  75  percent  overshoot 
and  100  percent  undershoot.  The  simulation  results  from  the 
new  macro-model  (see  Figure  11)  show  about  115  percent  of 
both  overshoot  and  undershoot.  This  simulated  value  is  quite 
close  to  the  actual  value  on  the  negative  half  of  the  waveform, 
but  differs  from  the  actual  value  on  the  positive  half.  The 
expanation  for  this  anomaly  is  that  although  the  new  macro- 
model  has  a  perfectly  symmetrical  output  stage,  the  op  amp 
being  modeled  may  not.  The  OP-42,  in  fact,  has  an  asymmet- 
rical, all  NPN-transistor  output  stage.  As  a  result,  the  high- 
frequency,  open-loop  response  is  variable  and  depends  on 
whether  the  output  stage  is  sinking  or  sourcing  current. 

The  Boyle  configuration,  too,  models  an  op  amp's  output  stage 
as  a  perfectly  symmetrical  voltage  source  and,  as  Figure  12 
shows,  it  incorrectly  simulates  the  undershoot  on  the  negative 
half  of  the  output  waveform.  It  does  come  reasonably  close  on 
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FIGURE  1 3:  The  model  schematic  of  the  OP-61  looks  similar  to  that  of  the  OP-42,  except  that  it  has  an  additional  gain  stage. 


13-166    OPERATIONAL  AMPLIFIERS 


LISTING  2:  OP-61  SPICE  Macro-Model  Net  List 


OP-61  MACROMODELePMI  1989 


SUBCKT  OP-61   1  2  34  99  50 

* 

;  INPUT  STAGE  &  POLE  AT  300  MHZ 


R1 
R2 
R3 
R4 
CIN 
C2 
11 

IOS  1 
EOS  7 
Q1  5 
Q2  6 
* 

*  FIRST 


3 

3 

99 

99 

2 

6 

50 

2 

1 

2 

7 


5E11 
5E11 
51.6 
51.6 
5E-12 
5.141E-12 
1E-3 

POLY(1)  24  28  400E-6  1 
QX 


R5  9 

99 

1E6 

R6  9 

50 

1E6 

G1  99 

9 

5  6  2E-4 

G2  9 

50 

6  5  2E-4 

E1  99 

8 

POLY(1)  99  28  -4.4  1 

E2  10 

50 

POLY  1   28  50  -4.4  1 

D1  9 

8 

DX 

D2  10 

9 

DX 

«  SECOND  GAIN  STAGE  &  POLE  AT2.5KHZ 

R7  11 

99 

5.1598E6 

R8  11 

50 

5.1598E6 

C3  11 

99 

12.338E-12 

C4  11 

50 

12.338E-12 

G3  99 

11 

POLY(1)   9  28  4.24E-3 

G4  11 

50 

POLY(1)  28   9  4.24E-3 

V1  99 

12 

2.3 

V2  13 

50 

2.3 

D3  11 

12 

DX 

D4  13 

11 

DX 

J  POLE-ZERO  PAIR  AT  4MHZ  /  8MHZ 

R9  14 

99 

1E6 

R10  14 

50 

1E6 

R11  14 

15 

1E6 

R12  14 

16 

1E6 

C5  15 

99 

19.89E-15 

C6  16 

50 

19.89E-15 

G5  99 

14 

11  28  1E-6 

G6  14 

50 

28  11  1E-6 

*  ZERO-POLE  PAIR  AT  85MHZ  /  300MHZ 

R13  17 

18 

1E6 

R14  17 

19 

1E6 

R15  18 

99 

2.529E6 

R16  19 

50 

2.529E6 

L1  18 

99 

1.342E-3 

L2  19 

50 

1.342E-3 

G7  99 

17 

14  28  1E-6 

G8  17 

50 

28  14  1E-6 

|  POLE  AT40MHZ 

R17  20 

99 

1E6 

R18  20 

50 

1E6 

C7  20 

99 

3.979E-15 

C8  20 

50 

3.979E-15 

G9  99 

20 

17  28  1E-6 

G10  20 

50 

28  17  1E-6 

'  POLE  AT  200MHZ 


R19 
R20 
C9 
C10 

m 


21 
21 
21 
21 
99 
21 


99 
50 
99 
50 
21 
50 


1E6 
1E6 

796E-15 
796E-15 


20  28  1 

28  20  1 


*  POLE  AT  200MHZ 

R21  22  99 

R22  22  50 

C11  22  99 

C12  22  50 

G13  99 


22 

G14    22  50 


1E6 
1E6 

.796E-15 
.796E-15 
21  28  1E-6 
28  21  1E-6 


'  POLE  AT  200MHZ 


R23 
R24 
C13 
C14 
G15 
G16 


50 
99 
50 
23 
50 


1E6 
1E6 

.796E-15 
.796E-15 
22  28  1E-6 
28  22  1E-6 


•  COMMON-MODE  GAIN  NETWORK  WITH  ZERO  AT  40KHZ 


R25  24  25 

R26  24  26 

L3  25  99 

L4  26  50 

G17  99  24 

G18  24  50 


1E6 
1E6 
3.979 
3.979 

3  28  1E-6 
28   3  1E-6 


*POLEAT300MHZ 


R27  27  99 

R28  27  50 

C15  27 

C16  27 

G19  99  27 

G20  27  50 

*  OUTPUT  STAGE 


1E6 
1E6 

531E-15 
531E-15 
23  28  1E-6 
28  23  1E-6 


R29 

28 

99 

20.0E3 

R30 

28 

50 

20.0E3 

R31 

29 

99 

30 

R32 

29 

50 

30 

L5 

29 

34 

1.65E-7 

G21 

32 

50 

27  29  33.3333E-3 

G22 

33 

50 

29  27  33.3333E-3 

G23 

29 

99 

99  27  33.3333E-3 

G24 

50 

29 

27  50  33.3333E-3 

V3 

30 

29 

0.2 

V4 

29 

31 

0.2 

D5 

27 

30 

DX 

D6 

31 

27 

DX 

D7 

99 

32 

DX 

D8 

99 

33 

DX 

D9 

50 

32 

DY 

D10  50 
* 

33 

DY 

;  MODELS  USED 

•MODELI  QX  NPN(BF=1250) 
•MODEL  DX  D(IS=1E-15) 
•MODEL  DY      D(IS=1E-15  BV  =  50) 
•ENDS  OP-61 
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the  positive  half,  but  the  ringing  frequency  is  lower  than  that  of 
the  real  circuit. 

This  inability  to  model  nonsymmetrical  output-stage  behavior  is 
inherent  in  the  Boyle  approach  and  is  still,  unfortunately,  shared 
by  the  new  macro-model.  However,  it  is  a  drawback  that  you  can 
work  around.  If,  during  the  model-generation  process,  you  find 
that  the  overshoot  is  different  from  the  undershoot,  you  should 
use  the  larger  of  the  two  values  in  calculations  pertaining  to  the 
output  inductor.  Then  with  capacitive  loads,  the  inductor  value 
will  yield  the  worst-case  overshoot  and  undershoot  results. 

EXECUTION-TIME  COMPARISONS 

Assuming  that  no  convergence  problems  exist  in  the  macro- 
model,  the  time  taken  for  SPICE  to  produce  an  operating-point 
calculation  or  a  DC-transfer  curve  is  largely  a  function  of  the 
number  of  circuit  elements  specified  in  the  net  list.  Conse- 
quently, the  new  OP-42  macro-model  was  almost  exactly  twice 
as  slow  as  its  Boyle  counterpart  and  required  2.27  times  as 
many  iterations  to  reach  thefinal  solution.  Similar  remarks  apply 
to  the  AC-analysis  case,  where  the  run-time  overhead  of  the 
new  macro-model  was  almost  exactly  twice  that  of  the  Boyle 
macro-model.  However,  the  two  models  required  about  the 
same  number  of  iterations  for  AC-response  simulation. 

Evaluating  the  computational  overhead  for  a  transient  analysis 
is  quite  difficult,  because  of  the  large  number  of  factors  in- 
volved. In  particular,  the  new  macro-model  will  exhibit  consid- 
erably more  detail  than  the  Boyle  model.  The  simulator  must 
therefore  use  a  much  finer  time  step  and  perform  correspond- 
ingly more  calculations.  However,  the  large  number  of  ideal 
elements  in  the  model  results  in  a  very  good  probability  on 
convergence.  Therefore,  you  can  sometimes  speed  up  the 
analysis  by  allowing  more  iterations  per  time  step,  a  procedure 
which  often  allows  the  simulator  to  maintain  a  coarser  time  step 
and  reduces  the  number  of  backtracks. 

Most  SPICE  simulators  default  the  number  of  transient  itera- 
tions to  10.  You  can  override  this  default  by  setting  ITL4  to  a 
larger  number  (say  40)  in  the  .OPTIONS  section.  Additionally, 
relaxing  RELTOLtoO.01  (the  default  value  is  usually  0.001)  will 
also  speed  up  the  run  time  by  slightly  reducing  the  accuracy. 
This  reduction  is  quite  permissible  becausethe  macro-model  is 
only  an  approximation  anyway.  Note,  however,  that  Figures  1 1 
and  12  were  generated  with  RELTOL  set  to  0.001  rather  than 
0.01 ,  so  that  the  curves  would  be  more  accurate.  Another  way 
of  speeding  upthe  transient  analysis  is  to  use  GEAR  rather  than 
TRAPEZOIDAL  integration;  however,  such  integration  can 
generate  results  that  appear  considerably  less  oscillatory  than 
they  actually  should  be. 

Using  0.01  for  RELTOL,  40  for  ITL4  and  trapezoidal  integration, 
the  OP-42  macro-model  proved  to  be  3.64  times  slower  on 
transient  runs  than  the  Boyle  model  and  required  2.15  times  as 
many  iterations.  The  reduction  in  simulation  speed,  though 
large,  is  acceptable,  and  is  outweighed  by  the  advantage  of 
greatly  improved  accuracy. 

THE  OP-61  MACRO-MODEL 

The  OP-61  is  a  bipolar-input,  wideband,  precision  op  amp  that 
typically  has  a  gain-bandwidth  product  of  200MHz  (at  a  test 
frequency  of  1  MHz)  and  a  slew  rate  of  40V/U.S.  The  model  of  this 


device,  shown  in  Figure  13,  is  only  slightly  more  complicated 
than  that  of  the  OP-42.  The  OP-61's  common-mode  rejection 
starts  to  roll  off  at  a  lower  frequency  than  the  CMRR  of  the  OP- 
42,  but  at  1  MHz,  it  is  still  a  respectable  80dB.  The  net  list  (see 
□siting  2)  indicates  that  the  OP-61  model  requires  9  poles  and 
2  zeroes  to  mimic  the  open-loop  frequency  response,  and  a 
common-mode  gain  of  zero  at  40kHz. 

Notice  that  this  model  has  an  additional  gain  stage  (stage  b  in 
Figure  13)  between  the  differential  input  stage  and  the  main 
gain  stage  (see  Figure  13c),  which  generates  the  dominant 
amplifier  pole.  The  extra  gain  stage  is  necessary  in  this  particu- 
lar model  because  the  OP-61  does  not  satisfy  the  limiting 
equation,  which  relates  the  slew  rate,  open-loop  gain,  and  the 
dominant  pole  frequency  for  the  bipolar  input  stage  (see  Box  1 ). 
The  OP-61  model  requires  an  open-loop  gain  of  100dB  and 
slew  rate  of  40V/u.s,  but  the  gain-bandwidth  product  (and  hence 
the  dominant  pole  frequency)  is  too  high  to  allow  a  single  stage 
to  generate  all  of  the  open-loop  voltage  gain. 

Therefore,  this  model  uses  two  gain  stages,  which  together  give 
the  requisite  100dB  of  gain.  The  first  gain  stage  has  a  gain  of 
200;  the  second  has  a  gain  of  500.  You  have  to  provide  clamping 
in  the  first  gain  stage,  in  order  to  limit  the  maximum  drive  voltage 
applied  to  the  voltage-controlled  current  sources  in  the  second 
gain  stage.  This  clamping  action  then  limits  the  amount  of  peak 
current  delivered  to  the  compensation  capacitors  C5  and  C6, 
and  thus  limits  the  maximum  dV/dt  in  the  second  gain  stage. 

The  first  gain  stage  must  provide  a  fair  amount  of  gain,  because 
the  maximum  differential  output  voltage  of  the  input  stage  is 
only  51.6mV.  To  facilitate  clamping  with  voltage  sources  and 
diodes,  you  need  a  much  larger  voltage.  A  gain  of  200  in  the  first 
gain  stage  would  result  in  an  undamped  voltage  of  ±1 0.32V 
relative  to  Vh  during  slewing,  but  the  clamping  circuit  limits  this 
to  approximately  ±5.0V  regardless  of  the  rail  voltages.  This 
configuration  allows  reliable  clamping  action  even  when  the 
power  supply  voltages  are  as  low  as  +4.4V.  It  also  results  in  the 
desired  slew  rate  of  40V/U.S. 


FIGURE  14:  When  you  connect  a  real  OP-61  as  an  inverting 
amplifier  with  a  gain  of  10,  the  gain  response  shows  a  3dB 
peak  of  10MHz. 
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FIGURE  15:  The  simulated  gain  (a)  of  the  OP-61  macro-model  shows  the  correct  amount  of  peaking  at  10MHz.  Further,  its 
phase  response  (b)  at  40MHz  differs  by  only  10°  from  that  of  the  real  device. 


FIGURE  16:  The  transient  response  of  a  real  OP-61,  when 
connected  as  an  inverting  amplifier  with  a  gain  of  10  and  a 
capacitive  load  of  207pF,  shows  some  asymmetry.  The  input 
signal  is  a  500kHz  sqaure  wave  with  a  peak  amplitude  of 
10mV.  The  vertical  scale  is  0. 1  V/div,  and  the  horizontal  scale 
is  0.2\xs/div. 


SIMULATION-ACCURACY  COMPARISONS 

Figure  14  shows  the  measured  gain  and  phase  responses  of  a 
physical  OP-61  configured  as  an  inverting  amplifier  with  a  gain 
of  1 0.  Here,  a  1  k£i  feedback  resistor,  a  1 00Q  input  resistor,  and 
±15V  power  supplies  were  used.  The  amplitude  response 
exhibits  a  definite  peak  of  about  3dB  in  the  10MHz  region,  and 
the  phase  shift  also  increases  quite  rapidly  above  1 0MHz.  The 
corresponding  responses  of  the  new  macro-model  (see  Figures 
15a  and  15b)  show  excellent  conformance  to  the  measured 
gain  response  of  the  OP-61 .  The  gain  curve  exhibits  the  requi- 
site gain  peak  of  slightly  over  2dB  just  above  10MHz.  The 
phase-response  accuracy  is  also  quite  good;  the  error  is  only 
about  10°  at  40MHz,  and  is  probably  within  the  range  of 
variation  one  would  expect  to  see  on  a  breadboard  because  of 
parasitic  capacitances  and  other  physical  effects.  This  new 
macro-model  is  therefore  a  useful  tool  in  predicting  the  perform- 
ance of  the  OP-61 ,  even  before  you  evaluate  the  breadboard. 

Figure  1 6  shows  the  transient  reponse  of  the  OP-61 ,  which 
might  appear  to  be  rather  unstable  until  you  notice  that  the 
device  is  driving  a  207pF  capacitive  load.  The  waveform  exhib- 
its some  asymmetry  between  the  amounts  of  overshoot  and 
undershoot  (180%  versus  220%),  but  the  OP-61,  like  the  OP- 
42,  does  not  have  a  perfectly  balanced  output-stage  structure. 
The  choice  of  the  output  inductor  (l_5  in  the  model)  largely 
determines  how  closely  the  simulated  transient  response  will 
mimic  the  real  response.  In  fact,  the  simulation  shown  in  Figure 
17  yields  symmetrical  overshoot  and  undershoot  of  about 
150%,  which  is  a  little  low,  and  a  ringing  frequency  which  is  a 
little  high,  compared  to  those  of  Figure  16.  This  discrepancy  is 
unlikely  to  be  of  much  importance  to  the  user.  If  it  is  important, 
however,  you  could  easily  bring  the  simulated  response  closer 
to  that  of  the  real  device  by  slightly  increasing  the  value  of  the 
output  inductor. 


FIGURE  17:  The  simulated  transient  response  of  the  OP-61 
macro-model  quite  closely  matches  the  transient  response  of 
the  real  device. 
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You  can  get  some  feeling  for  the  performance  of  the  new  OP- 
61  model  by  comparing  it  to  that  of  the  OP-42  (no  Boyle  model 
of  the  OP-61  exists).  Forthe  DC  bias  point  calculation,  the  OP- 
61  macro-model  was  faster  than  the  OP-42  macro-model.  For 
AC-response  simulation,  however,  the  OP-61  macro-model 
was  slower  by  a  factor  of  1 .1 8. 

In  the  transient  response  simulations,  the  OP-61  macro-model 
took  1 .76  times  as  long  as  the  OP-42  macro-model  and  needed 
1.56  times  as  many  iterations.  In  this  connection,  you  should 
remember  that  the  simulation  time  of  a  transient  run  increases 
as  the  output  becomes  more  oscillatory.  Therefore,  a  direct 
comparison  of  the  OP-42  and  OP-61  execution  times  is  not 
exactly  fair  because  the  OP-42's  response  is  less  oscillatory 
than  that  of  the  OP-61. 

SIMULATION  GOALS  ARE  CHANGING 

The  goal  of  any  computer  model  is  to  accurately  model  some 
physical  phenomenon;  the  more  complex  the  phenomenon,  the 
longer  the  time  required  for  the  computer  to  perform  the  neces- 
sary calculations.  The  goal  of  the  Boyle  op  amp  model  was  to 
reduce  the  number  of  nonlinear  elements  that  required  simula- 
tion, and  hence  to  decrease  the  run  time  to  an  acceptable  value. 
The  Boyle  model  was  not  created  with  ultimate  accuracy  in 
mind,  but  it  could  correctly  predict  the  low-frequency  perform- 
ance of  an  op  amp,  and  was  satisfactory  for  the  relatively  low- 
performance  devices  of  its  day. 

Today,  however,  there  is  more  and  more  demand  for  ever 
higher  performance,  and  accurate  prediction  of  a  new  device's 
performance  can  help  to  avoid  design  errors  that  would  be 
expensive  to  correct  at  the  manufacturing  stage.  Thus,  accurate 
modeling  of  the  high-frequency  performance  is  essential,  and  in 
that  region,  the  Boyle  model  is  inadequate.  The  improved  op 
amp  macro-model  described  here  not  only  models  the  high-fre- 
quency response  and  transient  behavior  of  an  op  amp  much 
more  accurately  than  the  Boyle  model,  but  also  does  not  need 
too  much  more  CPU  time  to  do  its  job.  Today,  with  powerful 
desktop  workstations  available,  the  emphasis  in  modeling  is  on 
improving  simulation  accuracy  rather  than  shaving  every  last  bit 
from  the  execution  times.  The  new  macro-model  is  thus  a  good 
compromise. 


The  single  most  limiting  factor  of  this  new  macro-model  is  that, 
for  SPICE  compatibility,  the  model  must  be  written  in  the  form 
of  a  net  list  with  real  circuit  elements.  Some  new  simulators 
(such  as  Saber,  from  Analogy  Inc)  allow  you  to  define  models 
in  a  specialized  programming  language  that  eliminates  circuit- 
type  constructs.  The  Saber  modeling  language,  known  as  Mast, 
is  very  similar  to  C  and  allows  powerful  manipulation  of  internal 
variables.  This  feature  would  allow  the  output  stage  of  the  new 
macro-model,  for  example,  to  be  completely  described  mathe- 
matically. A  Saber  model  simply  would  not  need  all  of  the  diodes 
and  additional  sources  that  the  SPICE  model  requires  for 
output-stage  current  correction.  The  defining  equation  for  the 
output  stage  would  directly  take  into  account  any  load  current 
that  was  being  drawn  from  the  model's  output  terminal.  It  is  very 
likely  that  the  new  macro-model  will  be  implemented  in  Saber  at 
some  time  in  the  near  future. 
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Models  of  electronic  circuits  which  are  based  on  semi- 
conductor process  variables  and  device  geometries  may 
have  limited  usefulness  because  of  their  inability  to  ac- 
commodate multiple  frequency  poles  and  multiple  ze- 
roes. Without  this  ability,  it  is  difficult  to  simulate  the 
complexities  and  subtleties  of  analog  components,  al- 
though reasonably  accurate  models  of  digital  compo- 
nents have  been  available  for  years. 

Macromodels,  by  contrast,  allow  designers  to  simulate 
high  speed  op  amps  and  other  electronic  components 
by  using  programs  such  as  SPICE,  or  its  many  deriva- 
tives. Macromodels  use  a  simplified  equivalent  circuit 
and  describe  the  devices  within  this  circuit  in  terms  of 
their  voltages,  currents,  parameters,  and  dependencies. 
By  using  a  macromodel,  a  designer  can  investigate  an 
extremely  complex  component  containing  dozens  of  ac- 
tive and  passive  devices.  The  macromodel  makes  this 
possible  by  reducing  the  component  to  a  multiterminal 
"black  box"  behavioral  model,  represented  by  the 
netlist,  and  allows  the  user  to  interconnect  the  compo- 
nent into  the  final  system  schematic. 

The  macromodel  listings  for  the  AD9617  and  AD9618 
current  feedback  amplifiers  included  here  are  based  on 
the  equivalent  circuits  which  are  shown,  and  four  basic 
transistor  device  models.  The  SPICE  user  of  this  macro- 
model  calls  up  a  five-terminal  device  (LGAMP  — low  gain 
amp-for  the  AD9617  and  HGAMP— high  gain  amp-for 
the  AD9618):  model  node  1  is  IC  pin  3  (+  INPUT);  node  2 
is  pin  2  (-INPUT);  node  15  is  pin  6  (OUTPUT);  and 


nodes  100  and  110  are  the  power  rails  of  pins  7  and  4 
(+VS  and  - Vs),  respectively,  paralleled  with  pins  8  and  5 
(optional  ±VS  connections).  Some  macromodels  are 
based  on  overall  specifications  or  simplified  representa- 
tions of  the  circuit  and  may  be  so  oversimplified  they 
ignore  how  the  IC  is  actually  built.  The  models  shown 
here,  however,  attempt  to  reflect  the  realities  of  the  an- 
alog world.  As  an  example,  they  emulate  diodes  Q1  and 
Q2  in  the  AD9617/AD9618  input  stage  by  using  transis- 
tors because  that  is  how  these  diodes  are  built.  In  this 
way,  it  becomes  possible  to  do  accurate  simulations  of 
changes  in  input  circuitry  and  dc  performance  versus 
temperature.  The  graphs  which  are  shown  compare 
measured  and  modeled  open-loop  transimpedance 
magnitude  and  phase. 

Although  the  macromodels  allow  accurate  assessment 
of  the  AD9617  and  AD9618  amplifiers  in  circuits,  not  all 
performance  features  of  the  amplifiers  are  included  be- 
cause many  of  them  are  considered  second-order  ef- 
fects, not  necessary  for  circuit  simulation  under  normal 
operating  conditions.  In  this  way,  the  model  is  simplified 
and  reduces  computer  run-time.  Examples  where  the 
published  models  do  not  correspond  to  actual  perfor- 
mance include: 

1.  Power  supply  voltage  maximum  limits 

2.  Maximum  output  voltage  range 

3.  Temperature   effects   (model    parameters  assume 

+25°C) 

4.  Input  voltage  and  current  noise 
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AD9617  Netlist 

#  1-VIN  +,2=VIN 
CI  13  5  1.15P 
C2  17  6  1.15P 


2  15  100  110 

-,  15  =  VOUT,  100=VCC,  110=VEE 


C3  12  2  0.5P 
C4  5  6  3.5P 
C5  5  0  1.0P 
C6  6  0  1.0P 
C7  12  0  1.5P 
CINN  1  0  1.5P 
CINI  2  0  1.5P 
F1  100  13  VM1  1.5 
F2  17  110  VM2  1.5 
GM1  12  9  POLYI2)  0  5  0  6  2.5M,  -2.0M,  -2.0M 
GM2  10  12  POLY(2)  0  6  0  5  2.5M,  2.0M,  2.0M 

11  100  3  DC  1.98M 

12  100  5  DC  3.93M 

13  4  .110  DC  2.0M 

14  6  110  DC  4.0M 

15  100  12  5.0M 

16  12  110  5.0M 
Q1  3  3  1  110  QNA  1.05 
Q2  5  3  2  110  QNA  1.05 
Q3  4  4  1  100  QPA  1.05 
Q4  6  4  2  100  QPA  1.05 
Q5  110  12  13  100  QPA  1.25 
Q6A  100  13  14  110  QNB  1.05 
Q6B  100  13  14  110  QNB  1.05 
Q7  100  12  17  110  QNA  1.05 
Q8A  110  17  16  100  QPB 


i 


Q8B  110  17  ie 
R1  12  15  500 
R2  14  15  5 
R3  15  16  5 
R4  100  5  190K 
R5  5  0  25K 
R6  6  110  395K 
R7  6  0  12K 
R8  7  20  350 
VB1  5  7  DC  1.6 
VB2  20  6  DC  1.6 
VM1  100  10  DC  0 
VM2  9  110  DC  0 


100  QPB 


.MODEL  QNA  NPN  RB=75,  IRB=0,  RBM  =  7,  RC=20,  RE  =  0.7, 
+  IS  =  540E-18,  XTB  =  2.4,  BF=380,  IKF=15M,  VAF=30, 
+  ISE=22E-16,  ISC=35E-21,  TF=25P,  CJE=16E-14,  VJE  =  1.0, 
+CJC=2.2E-13,  XCJC=.2,  CJS=4E-13,  MJS=0.3 

.MODEL  QNB  NPN  RB=24,  IRB=0,  RBM  =  2,  RC=6,  RE=0.5, 
+  IS=18E-16,  XTB=2,  BF=380,  IKF=49M,  VAF=30, 
+  ISE=72E-16,  ISC=1 15E-21,  TF=25P,  CJE  =  54E-14,  VJE  =  1, 
+CJC=6E-13,  XCJC=.2,  CJS=7E-13,  MJS  =  0.3 


.MODEL  QPA  PNP  RB  =  83,  IRB=0M,  RBM  =  14,  RC=18,  RE  =  0.5, 
+IS=26E-17,  XTB=2,  BF=190,  IKF=24M,  VAF=15,  ISE=7E-15, 
+  ISC=30E-19,  TF=35P,  CJE  =  11E-14,  VJE  =  1,  CJC  =  3.1E-13, 
+  XCJC=0.2,  CJS=9E-13,  MJS=0.35, 

* 

.MODEL  QPB  PNP  RB=25,  IRB=0,  RBM=4,  RC=5,  RE  =  0.2, 
+  IS=88E-17,  XTB  =  2,  BF=190,  IKF=84E-3,  VAF=15, 
+  ISE=22.3E-15,  ISC=100E-19,  TF=35P,  CJE=36E-14,  VJE  =  1, 
+  CJC=8.5E-13,  XCJC=0.2,  CJS  =  1.4E-12,  MJS=0.35, 

.ENDS 
.END 


AD9618  Netlist 

VCC  5  0  DC  5  AC  0 
VEE  6  0  DC  -5  AC  0 
V3  2  7  DC  0 
RFB  4  2  1000 
RFF  12  110 
RL4  0  100 


X1  3  7  4  5  6  HGAMP 

*  3=VIN  +,  7=VIN  -,  4=V0UT,  5=VCC,  6=VEE 
* 

V1  1  0  DC  0  AC  0 
V2  3  0  DC  0  AC  1 


.SUBCKT  HGAMP  1  2  15  100  110 
*  1=VIN  +,  2=VIN      15=VOUT,  100=VCC,  110=VEE 
CI  12  5  .45P 
C2  12  6  .45P 
C3  12  2  0.2P 
C5  5  0  1.25P 
C6  6  0  1.25P 
C7  12  0  1.25P 
CINN  1  0  1.5P 
CINN  2  0  1.5P 
F1  100  13  VM1  1.2 
F2  17  110  VM2  1.2 

GM1  12  9  POLY(3)  0  5  0  6  5  6  1.6M.-4.0M,  -4.0M 
GM2  10  12  POLY(3)  0  6  0  5  6  5  1.6M,4.0M,4.0M 

11  100  3  DC  2.00M 

12  100  5  DC  3.00M 

13  4  110  DC  2.00M 

14  6  110  DC  3.29M 

15  100  12  5.0M 

16  12  110  5.0M 
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Q1  3  3  1  110  QNA  1.05 
Q2  5  32  110  QNA  1.05 
Q3  4  4  1  100  QPA  1.05 
Q46  4  2  100  QPA  1.05 
Q5  110  12  13  100  QPA  .75 
Q6A  100  13  14  110  QNB  1.05 
Q6B  100  13  14  110  QNB  1.05 
Q7  100  12  17  110  QNA  .75 
Q8A  110  17  16  100  QPB 
Q8B  110  17  16  100  QPB 
R1  12  0  20000 
R2  14  15  6 
R3  15  16  6 
R4  100  5  120K 
R5  5  5  0  14K 
R6  6  110  450K 
R7  6  0  4.5K 
R8  7  20  280 
VB1  5  7  DC  1.70 
VB2  20  6  DC  1.70 
VM1  100  10  DC  0 
VM2  9  110  DC  0 


.MODEL  QNA  NPN  RB=75,  IRB  =  0,  RBM=7,  RC=20,  RE=0.7, 
+  IS=640E-18,  XTB=2.4,  BF=380,  IKF=15M,  VAF=30, 
+  ISE=22E-16,  ISC=35E-21,  TF=25P,  CJE=16E-14, 
+CJC=2.2E-13,  XCJC=.2,  +CJS=4E-13,  MJS=0.3,  VJE=1 

.MODEL  QNB  NPN  RB=24,  IRB=0,  RBM  =  2,  RC=6,  RE=0.5, 
+  IS  =  18E-16,  XTB=2,  BF=380,  IKF=49M,  VAF=30,  ISE=72E-16, 
+  ISC=115E-21,  TF=25P,  CJE=54E-14,  CJC=6E-13,  XCJC=.2, 


+  CJS=7E- 


13,  MJS=0.3,  VJE=1 


.MODEL  QPA  PNP  RB=83,  IRB=0,  RBM  =  14,  RC  =  18,  RE=0.5, 
+  IS  =  26E-17,  XTB=2,  BF=190,  IKF=24M,  VAF=15,  ISE=7E-15, 
+ISC=30E-19,  TF=35P,  CJE=11E-14,  CJC=3.1E-13,  XCJC=.2, 
+  CJS=9E-13,  MJS=0.35,  VJE  =  1 

* 

.MODEL  QPB  PNP  RB=25,  IRB  =  0,  RBM=4,  RC=5,  RE=0.2, 
+  IS=88E-17,  XTB=2,  BF=190,  IKF=84E-3,  VAF=15, 
+ISE=22.3E-15,  ISC=100E-19,  TF=35P,  CJE=36E-14, 
+  CJC=8.5E-13,  XCJC  =  .2,  +CJS=1.4E-12,  MJS=0.35,  VJE  =  1 


.ENDS 
.END 


AD9617  and  AD9618  Application  Circuit  Open-Loop  Transimpedance  Gain  IT  (si]  for  AD9617 
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AD9617  Macromodel  (LGAMP) 


13-174    OPERATIONAL  AMPLIFIERS 


ANALOG 
DEVICES 


AN-360 
APPLICATION  NOTE 


ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 


Ask  the  Applications  Engineer -6 

by  James  Bryant 


OP-AMP  ISSUES 

Q.  Why  are  there  so  many  different  types  of  operational  amplifier? 
A.  Because  there  are  so  many  parameters  that  are  important  in 
different  applications,  and  because  it  is  impossible  to  optimize  all 
of  them  at  once.  Op  amps  may  be  selected  for  speed,  for  noise 
(voltage,  current  or  both),  for  input  offset  voltage  and  drift,  for 
bias  current  and  its  drift,  and  for  common-mode  range.  Other 
factors  might  include  power:  output,  dissipation,  or  supply,  ambi- 
ent temperature  ranges,  and  packaging.  Different  circuit  architec- 
tures and  manufacturing  processes  optimize  different  performance 
parameters. 

Q.  Is  there  any  common  factor  in  the  design  of  op-amps? 
A.  Yes— most  classical  (voltage  input)  op-amps  are  three-stage 
devices,  consisting  of  an  input  stage  with  differential  input  and 
differential  output— with  good  common-mode  rejection— fol- 
lowed by  a  differential-input,  single-ended  output  stage  having 
high  voltage-gain  and  (generally)  a  single-pole  frequency 
response;  and,  finally,  an  output  stage,  which  usually  has  unity 
voltage  gain. 


DIFFERENTIAL 
INPUT 
STAGE 


GAIN  STAGE 
SINGLE  POLE 


UNITY 
VOLTAGE 
GAIN 


Q.  So  where  are  the  differences? 

A.  There  are  many  possible  variations  on  this  basic  design.  One 
of  the  most  fundamental  is  the  structure  of  the  input  stage.  This 
stage  is  almost  always  a  long-tailed  pair— that  is  to  say,  a  pair  of 
amplifying  devices  connected  as  in  the  figure— but  the  choice  of 
devices  has  a  profound  effect  on  the  input  parameters  of  the 
op  amp.  The  figure  was  drawn  with  thermionic  tubes  to  avoid  any 
suggestion  of  partiality  in  favour  of  any  particular  semiconductor 
device.  Since  thermionic  devices  at  present  are  not  generally  avail- 
able in  IC  chip  form,  a  monolithic  op-amp  will  have  an  input  stage 

built  with  bipolar  or  field-effect  transistors. 

 f  +M0V 

HISTORIC  "LONG-TAILED  PAI 
DIFFERENTIAL  AMPLIFIER 


A  long-tailed  pair  built  with  bipolar  transistors  is  shown  in  the 
next  figure.  Its  strong  features  are  its  low  noise  and,  with  suitable 
trimming,  low  voltage  offset.  Furthermore,  if  such  a  stage  is 
trimmed  for  minimum  offset  voltage  it  will  inherently  have  mini- 
mum offset  drift.  Its  main  disadvantage  stems  from  the  propor- 
tionality of  the  emitter  and  base  currents  of  the  transistors;  if  the 
emitter  current  is  large  enough  for  the  stage  to  have  a  reasonable 
bandwidth,  the  base  current— and  hence  the  bias  current— will  be 
relatively  large  (50  to  1,000  nA  in  general-purpose  op-amps,  as 
much  as  10  u.  A  in  high-speed  ones). 


ji      when  i,=i,  v=vos 

I  I,  -Bl„,.  I,-PI,„ 

The  bias  currents  in  the  inverting  and  non-inverting  inputs  are 

and  they  decrease  in  a  minor  way  with  increasing  temperature. 
In  many  applications,  the  accurate  matching  may  be  used  to 
compensate  for  their  high  absolute  value.  This  figure  shows  a  bias 
compensation  circuit  where  the  bias  current  in  the  non-inverting 
input  flows  in  Rc  (known  as  the  bias  compensation  resistor);  this 
compensates  for  the  voltage  drop  as  the  bias  current  in  the  invert- 
ing input  flows  through  R2.  R0  is  made  nominally  equal  to  the 
parallel  combination  of  R:  and  R2.-it  can  be  trimmed  to  mini- 
mize error  due  to  non-zero  offset  current). 


A  BIAS  COMPENSATION 
RESISTOR  CAN  MINIMIZE 
BIAS  CURRENT  ERRORS 


R,  R, 

BIAS  COMPENSATION  RESISTOR 
(ONLY  USEFUL  IF  lG1   lG; ) 


Such  bias  compensation  is  only  useful  when  the  bias  currents  are 
well-matched.  If  they  are  not  well-matched,  a  bias  compensation 
resistor  may  actually  introduce  error. 

If  a  bipolar  input  stage  is  required  without  the  drawback  of  such  a 
high  bias  current,  a  different  form  of  bias  compensation  may  be 
used  by  the  chip  designer  (next  figure).  The  same  long-tailed  pair 
is  used,  but  the  major  portion  of  the  current  required  by  each  base 
is  supplied  by  a  current  generator  on  the  chip.  This  can  reduce  the 
external  bias  current  to  10  nA  or  less  without  affecting  the  offset, 
temperature  drift,  bandwidth  or  voltage  noise.  Bias  current  vari- 
ation with  temperature  is  quite  low. 


NET  BIAS  CURRENT 
MAY  FLOW  IN  EITHER 
DIRECTION 


There  are  two  disadvantages  to  such  an  architecture:  the  current 
noise  is  increased  and  the  external  bias  currents  are  not  well 
matched  (indeed,  they  may  actually  flow  in  opposite  directions,  or 
change  polarity  as  chip  temperature  changes).  For  many  applica- 
tions these  features  are  no  drawback;  indeed,  one  of  the  most 
popular  low-offset  op-amp  architectures,  the  OP-07,  uses  just 
such  an  architecture,  as  do  the  OP-27,  OP-37  and  the  AD707, 
which  has  a  guaranteed  offset  voltage  of  only  15  u-V.  Bias- 
compensated  amplifiers  of  this  type  are  often  recognizable  when 
their  data  sheets  explicitly  specify  bipolar  bias  current,  for  exam- 
ple, ±4.0  nA. 

Where  bias  currents  of  even  a  few  nanoamps  are  intolerable, 
bipolar  transistors  are  usually  replaced  by  field-effect  devices.  In 
the  past,  MOSFETs  have  been  somewhat  noisy  for  op-amp  input 
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stages,  although  modern  processing  techniques  are  overcoming 
this  drawback.  Since  MOSFETS  also  tend  to  have  relatively  high 
offset  voltages,  junction  FETs  (JFETs)  are  used  for  high- 
performance  low-bias-current  op  amps.  A  typical  JFET  op-amp 
input  stage  is  shown  in  this  figure. 


FET  OP  AMP  INPUT  STAGE 

OFFSET  AND  DRIFT 
MUST  BE  TRIMMED 
SEPARATELY 


^RIFT  /f 

TRIM 
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The  bias  current  of  a  JFET  bears  no  relationship  to  the  current 
flowing  in  the  device,  so  even  a  wideband  JFET  amplifier  may 
have  a  very  low  bias  current— values  of  a  few  tens  of  picoamperes 
are  commonplace,  and  the  AD549  has  a  guaranteed  bias  current  of 
less  than  60  fA  (one  electron  per  three  microseconds!)  at  room 
temperature. 

The  qualification  "at  room  temperature"  is  critical— the  bias  cur- 
rent of  a  JFET  is  the  reverse  leakage  current  of  its  gate  diode,  and 
the  reverse  leakage  current  of  silicon  diodes  approximately  dou- 
bles with  every  10°C  temperature  rise.  The  bias  current  of  a  JFET 
op-amp  is  thus  not  stable  with  temperature.  Indeed,  between  25°C 
and  125°C,  the  bias  current  of  a  JFET  op-amp  increases  by  a 
factor  of  over  1,000.  (The  same  law  applies  to  MOSFET  amplifi- 
ers, because  the  bias  current  of  most  MOSFET  amplifiers  is  the 
leakage  current  of  their  gate-protection  diodes.) 
The  offset  voltage  of  a  JFET  amplifier  may  be  trimmed  during 
manufacture,  but  minimum  offset  does  not  necessarily  correspond 
to  minimum  temperature  drift.  It  has  therefore  been  necessary  to 
trim  offset  and  drift  separately  in  JFET  op-amps,  which  results  in 
somewhat  larger  values  of  voltage  offset  and  drift  than  are  avail- 
able from  the  best  bipolar  amplifiers  (values  of  250  u.V  and 
5  u.V/°C  are  typical  of  the  best  JFET  op-amps).  Recent  studies  at 
Analog  Devices,  however,  have  resulted  in  a  patented  trimming 
method  which  is  expected  to  yield  much  better  values  in  the  next 
generation  of  JFET  op-amps. 

We  thus  see  that  there  are  trade-offs  between  offset  voltage,  offset 
drift,  bias  current,  bias  current  temperature  variation,  and  noise 
in  operational  amplifiers— and  that  different  architectures  opti- 
mize different  features.  The  table  compares  the  features  of  the 
three  commonest  op-amp  architectures.  We  should  note  one  more 
category,  typified  by  the  new  AD705  (introduced  briefly  on  page 
18),  using  bipolar  superbeta  input  transistors;  it  combines  low  offset 
voltage  and  drift  with  low  bias  current  and  drift. 

CHARACTERISTICS  OF  OP-AMP  INPUT  STAGES 
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!  of  op  amps  should  the  user  know  about? 
A  A  common  problem  encountered  with  JFET  op-amps  is  phase 
inversion.  If  the  input  common-mode  voltage  of  a  JFET  op-amp 
approaches  the  negative  supply  too  closely,  the  inverting  and 


non-inverting  input  terminals  reverse  functions.  Negative  feed- 
back becomes  positive  feedback  and  the  circuit  may  latch  up. 
This  latchup  is  unlikely  to  be  destructive,  but  power  may  have  to 
be  switched  off  to  correct  it.  This  figure  shows  the  effect  of  such 
phase  inversion  in  a  circuit  where  latch-up  does  not  occur.  The 
problem  may  be  avoided  by  using  bipolar  amplifiers,  or  by 
restricting  the  common-mode  range  of  the  signal  in  some  way. 


1)UTPu71    PHASE  INVERSION 
I    WHEN  INPUT 

APPROACHES  THE 
I    NEGATIVE  SUPPLY 


A  more  serious  form  of  latchup  can  occur  in  both  bipolar  and 
JFET  op-amps  if  the  input  signal  becomes  more  positive  or  neg- 
ative than  the  respective  op-amp  power  supplies.  If  the  input 
terminals  go  more  positive  than  +Vs  +  0.7  V  or  more  negative 
than  -Vs  -  0.7  V,  current  may  flow  in  diodes  which  are  normally 
biased  off.  This  in  turn  may  turn  on  thyristors  (SCRs)  formed  by 
some  of  the  diffusions  in  the  op-amp,  short-circuiting  the  power 
supplies  and  destroying  the  device. 

To  avoid  such  destructive  latch-up  it  is  important  to  prevent  the 
input  terminals  of  op-amps  from  ever  exceeding  the  power  sup 
plies.  This  can  have  important  implications  during  device  turn- 
on:  if  a  signal  is  applied  to  an  op-amp  before  it  is  powered  it  may 
be  destroyed  at  Once  when  power  is  applied.  Whenever  there  is  a 
risk,  either  of  signals  exceeding  the  voltages  on  the  supplies,  or  of 
signals  being  present  prior  to  power-up  of  the  op-amp,  the  termi- 
nals at  risk  should  be  clamped  with  diodes  (preferably  fast  low- 
forward-voltage  Schottky  diodes)  to  prevent  latchup  from  occur- 
ring. Current-limiting  resistors  may  also  be  needed  to  prevent  the 
diode  current  from  becoming  excessive  (see  the  figure). 


PROTECTIVE 
CIRCUITRY 


This  protection  circuitry  can  cause  problems  of  its  own.  Leakage 
current  in  the  diode(s)  may  affect  the  error  budget  of  the  circuit 
(and  if  glass-encapsulated  diodes  are  used,  their  leakage  current 
may  be  modulated  at  100  or  120  Hz  due  to  photoelectric  effects  if 
exposed  to  fluorescent  ambient  lighting,  thus  contributing  hum  as 
well  as  dc  leakage  current);  Johnson  noise  in  the  current-limiting 
resistor  may  worsen  the  circuit's  noise  performance;  and  bias 
current  flowing  in  the  resistor  may  produce  an  apparent  increase 
in  offset  voltage.  All  these  effects  must  be  considered  when 
designing  such  protection. 

The  important  subjects  of  noise,  interference,  bypassing,  and 
grounding  demand  discussion— but  we're  out  of  space!  We'll 
come  back  to  them  again  in  future  chats;  meanwhile  you  may  want 
to  take  a  look  at  some  of  the  references  in  the  footnotes  on  page  7 
of  Analog  Dialogue  23-3. 
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APPLICATION  NOTE 


Passive  and  Active  Analog  Filtering 


Filtering  is  an  important  part  of  analog 
signal  processing.  Filtering  can  be  used  to 
reduce  unwanted  signals,  limit  bandwidth, 
help  recover  wanted  signals,  minimize  ali- 
asing in  sampled  data  systems,  and  smooth 
the  output  of  DACs.  There  are  five  classes  of 
filters.  Lowpass  filters  pass  all  frequencies 
below  the  cutoff  frequency  and  block  all 
frequencies  above  the  cutoff  frequency. 
Highpass  filters  are  the  inverse  of  the  low- 
pass  filters.  They  block  the  low  frequencies 
and  pass  those  above  the  cutoff  frequency. 
Bandpass  filters  pass  those  frequencies  be- 
tween the  lower  cutoff  and  upper  cutoff 
frequencies  and  reject  all  others.  Bandstop 
filters  are  the  inverse  of  bandpass  filters. 
They  reject  frequencies  between  the  cutoff 
frequencies  and  pass  all  others.  Allpass 
filters  pass  all  frequencies  equally  but  intro- 
duce a  predictable  phase  delay  to  the  signal. 

CLASSES  OF  PASSIVE  AND 


■  Lowpass 


■  Highpass 

■  Bandpass 

■  Bandstop 

■  Allpass 


Figure  2.56 

Traditional  filters  were  passive,  that  is 
designed  with  no  active  elements.  Active 
components  were  too  costly  and  had  very 
poor  performance  characteristics.  Inductors, 
capacitors,  and  resisters  were  used  to  synthe- 
i  the  filter.  This  approach  has  several 
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difficulties  because  inductors  become  p 
cally  large  for  low  frequency  filters  and 
poor  characteristics  at  high  frequencies. 
There  is  a  great  deal  of  interaction  between 
the  different  sections  of  the  filter.  Impedance 
levels  must  be  precisely  controlled.  Close 
component  tolerances  are  difficult  to  manu- 
facture and  maintain.  Despite  these  limita- 
tions passive  filters  are  still  dominant  at 
high  frequencies,  primarily  due  to  dynamic 
performance  limitations  of  op  amps. 

PASSIVE  FILTERS 

■  Designed  with  Inductors,  Capacitors, 
Resistors 

■  Large  Inductors  Required  for  Low 
Frequency  Filters 

■  Interaction  Between  Filter  Stages 

■  Component  Tolerances  Difficult  to 
Manufacture  and  Maintain 

■  Still  the  Only  Solution  at  High  Frequencies 
Due  to  Active  Component  Limitations 


i 


Active  filters  answer  some  of  the  limita- 
tions of  the  passive  filter  by  offering  isolation 
between  stages  and  eliminating  the  need  for 
inductors.  Their  use  at  high  frequencies  is 
limited  by  the  dynamic  performance  of  the 
active  elements. 

ACTIVE  FILTERS 

■  Eliminate  Need  for  Inductors 

■  Good  Interstage  Isolation 

■  High  Frequency  Use  Limited  by  Op  Amp 
Dynamic  Performance 

Figure  2.58 
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which  the  minimum  attenuation  in  the 
stopband  is  reached.  The  passband  ripple 
Amis  the  variation  (error  band)  in  the 
passband  response.  The  minimum  passband 
attenuation  A  .  defines  the  signal  attenu- 
ation within  the  stopband.  The  order  M  of 
the  filter  is  the  number  of  poles  in  the  trans- 
fer function. 

KEY  FILTER  DESIGN  PARAMETERS 


PASSBAND 
RIPPLE 
AMAX 


MB  POINT 
OR 

CUTOFF  FREQUENCY 
F. 


Figure  2.59 


„  „«»_„^™_^i^  

band  to  stopband. 

The  Chebyshev  filter  has  a  smaller  transi- 
tion region  than  the  same-order  Butterworth 
filter,  but  it  has  ripples  in  either  its  passband 
or  stopband.  This  filter  gets  its  name  be- 
cause the  Chebyshev  filter  minimizes  the 
height  of  the  maximum  ripple — this  is  the 
Chebyshev  criterion. 

The  Butterworth  filter  and  the  Chebyshev 
filter  are  all-pole  designs.  By  this  we  mean 
that  the  zeros  of  the  transfer  function  are  at 
one  of  the  two  extremes  of  the  frequency 
range  (0  or  °°).  For  a  lowpass  filter  the  zeros 
are  at  f  =  ~.  We  can  add  finite  frequency 
transfer  function  zeros  as  well  as  poles  to  get 
an  Elliptical  Filter.  This  filter  has  a  shorter 
transition  region  than  the  Chebyshev  filter 
because  it  allows  ripple  in  both  the  stopband 
and  passband.  The  Elliptical  filter  also  has 
degraded  phase  (time  domain)  response. 

These  are  by  no  means  all  possible  trans- 
fer functions,  but  they  do  represent  the  most 
common. 

POPULAR  FILTER  DESIGNS 

■  Butterworth:  All  Pole,  No  Ripples  in 
Passband  or  Stopband,  Maximally  Flat 
Response 

■  Chebyshev:  All  Pole,  Ripple  in  Passband, 
Shorter  Transition  Region  than  Butterworth 


FILTER  SPECIFICATIONS 

■  Cutoff  Frequency,  Fc 

■  Stopband  Frequency,  Fs 

■  Passband  Ripple,  AMAX 

■  Stopband  Attenuation,  AMIN 

■  Filter  Order,  M 

Figure  2.60 


Typically,  one  or  more  of  the  above  para- 
meters will  be  variable.  For  instance,  if  you 
were  to  design  an  antialiasing  filter  for  an 
ADC  you  will  know  the  cutoff  frequency,  the 
stopband  frequency,  and  the  minimum 
attenuation.  You  can  then  go  to  a  chart  or 
computer  program  to  determine  the  other 
parameters. 

There  are  many  transfer  functions  that 
may  satisfy  the  requirements  of  a  particular 
filter.  The  Butterworth  filter  is  the  best 


for  Given  Number  of  Poles 

Elliptical:  Ripple  in  Both  Passband  and 
Stopband,  Shorter  Transition  Region  than 
Chebyshev,  Degraded  Phase  Response, 
Poles  and  Zeros 

Figure  2.61 


Once  the  order  of  the  filter  and  the  specifi- 
cations of  filter  have  been  determined,  the 
design  charts  (see  Reference  10)  or  computer 
programs  are  consulted,  and  the  linear  and 
quadratic  factors  of  poles  for  the  transfer 
function  are  determined.  All  filters,  regard- 
less of  order,  are  made  up  of  one-  or  two-pole 
sections.  The  single  pole  section  is  defined  by 
its  resonant  frequency,  which  is  the  -3dB 
point.  The  pole  pair  in  a  two-pole  filter 
section  is  defined  by  its  resonant  frequency 
(Fo)  and  Q,  which  indicates  the  peaking  of 
the  section.  Sometimes  alpha  (a)  is  used 
instead  of  Q(Q=l/o). 
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Armed  with  the  various  values  Fo  and  Q, 
you  then  choose  the  configuration  for  the 
realization  of  the  filter:  Butterworth, 
Chebyshev,  or  Elliptical. 

For  passive  filters,  these  values,  along 
with  the  filter  characteristic  impedance 
determine  the  inductor,  capacitor,  and  resis- 
tor values. 

For  active  filters,  you  must  decide  which 
of  the  realizations  you  are  going  to  use.  The 
three  most  common  are  the  Sallen-Key 
(voltage  controlled  voltage  source),  multiple 
feedback,  and  state  variable.  Each  realiza- 
tion has  its  own  advantages  and  disadvan- 
tages. 

The  Sallen-Key  configuration  shown  in 
Figure  2.62  is  the  least  dependent  on  the 
performance  of  the  op  amp,  and  the  signal 
phase  is  maintained.  For  this  filter  the  ratio 
of  the  largest  resistor  value  to  the  smallest 
resistor  value  and  the  ratio  of  the  largest 
capacitor  value  to  the  smallest  capacitor 
value  is  low.  The  frequency  term  and  Q 
terms  are  somewhat  independent,  but  they 
are  very  sensitive  to  the  gain  parameter. 
The  Sallen-Key  is  very  Q-sensitive  to  ele- 
ment values  for  high  Q  sections.  The  design 
equations  are  also  given  in  Figure  2.62. 


VOLTAGE  CONTROLLED 
VOLTAGE  SOURCE 
(SALLEN-KEY)  REALIZATION 


H  s  Circuit  Gain  Below  Cutoff 
a  =  Damping  Ratio  =  1/0 
Fq  =  Cutoff  Frequency 

Choose  CI 

K  =  2n  F0C1 

M  -  ^-  +  H  -  1 
C2  =  MC1 
2 


R1  ■ 


Ka 


Choose  R5 

FoVhTvrIIo,  R5  =  Open 


Figure  2.62 

The  multiple  feedback  realization  shown 
in  Figure  2.63  uses  an  op  amp  in  the  invert- 
ing configuration.  The  dependence  on  the  op 
amp  parameters  are  greater  than  in  the 
Sallen-Key  realization.  It  is  hard  to  generate 
high  Q  sections  due  to  the  limitations  of  the 
open  loop  gain  of  the  op  amp.  The  maximum 
to  minimum  component  value  ratios  are 
higher  than  in  the  Sallen-Key  realization. 
The  design  equations  are  also  given  in  Fig- 
ure 2.63. 


MULTIPLE  FEEDBACK  REALIZATION 


— 


OUT 

-O 


FQ  =  Cutoff  Frequency 

(.••'• 

a  =  Damping  Ratio  =  1/Q 

H  =  Absolute  Value  of 
Circuit  Gain 

Choose  C5 

K  =  2Jtfi£1 

<H,„ 


Figure  2.63 

■ 

The  state-variable  realization  shown  in 
Figure  2.64  offers  the  most  precise  implem- 
entation, at  the  expense  of  many  more  circuit 
elements.  All  parameters  can  be  adjusted 
independently,  and  lowpass,  highpass,  and 
bandpass  outputs  are  all  available  simulta- 
neously. The  gain  of  the  filter  is  also  inde- 
pendently variable.  Since  all  parameters  of 
the  state  variable  filter  can  be  adjusted 
independently,  component  spread  is  mini- 
mized. Also  variations  due  to  temperature 
and  component  tolerances  are  minimized. 
The  design  equations  for  the  state  variable 
filter  are  given  in  Figure  2.64. 

STATE  VARIABLE  REALIZATION 


IN  R1 


LOWPASS  GAIN  =  .R2/R1 
HIGHPASS  GAIN  =  -R3/R1 


BANDPASS  GAIN  = 


i  RT*-R2*  m' 


FOR  NOTCH  FREQUENCY  = 

FORF=F_,  BllSl.  =  1 
0     Z     R3  ■  RB 

FOB  F    -  F       R2  '  R9    -  1 


"  Tti  \  R2-  R4-  R5'  C1-  C2 


R3-  R8 
R2>  R9 


VRT*  R2*R3 


R2'R3-R5-C2 


V. 


Another  active  filter  realization  that  has 
recently  become  more  popular  is  the  Fre- 
quency Dependent  Negative  Resistor  (FDNR), 
which  is  a  subset  of  the  General  Impedance 
Converter  (GIC).  In  the  FDNR  the  passive 
realization  goes  through  a  transformation  by 
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Vs.  Therefore  inductors,  whose  impedance  is 
sL,  transform  into  a  resistor  of  value  L. 
Similarly,  a  resistor  of  value  R  becomes  a 
capacitor  of  value  R/s.  A  capacitor  of  imped- 
ance 1/sC  transforms  into  a  frequency  de- 
pendent variable  resistor,  which  is  given  the 
designation  D.  Its  impedance  is  l/s2C.  The 
transformations  to  the  FDNR  configuration 
and  the  GIC  implementation  of  the  D  ele- 
ment are  given  in  Figure  2.65. 

FREQUENCY  DEPENDENT 
NEGATIVE  RESISTOR 
1/S  IMPEDANCE  TRANSFORMATION 


|  I-     =>     k  R  T  c  — > 


S*  =>   ^  c 


Figure  2.65 


The  advantage  of  the  FDNR  realization  is 
that  there  are  no  op  amps  in  the  signal  path 
which  can  add  noise.  This  realization  is  also 
relatively  insensitive  to  component  variation. 
The  advantages  of  the  FDNR  come  at  the 
expense  of  an  increase  in  the  number  of 
components  required. 

For  all  of  the  realizations  discussed  above, 
the  tabulated  filter  values  are  in  terms  of  the 
lowpass  function  normalized  to  a  frequency 
of  1  radian/second  with  an  impedance  level  of 
1.  To  realize  the  final  design,  the  filter 
values  are  scaled  by  the  appropriate  fre- 
quency and  impedance. 

Similarly,  the  lowpass  prototype  is  con- 
verted to  a  highpass  filter  by  scaling  by  1/s  in 
the  transfer  function.  In  practice  this 
amounts  to  capacitors  becoming  inductors 
with  a  value  VC  and  inductors  becoming 
capacitors  with  a  value  of  VL  for  passive 
designs.  For  active  designs  resistors  become 
capacitors  with  a  value  of  1/R,  and  capacitors 
become  resistors  with  a  value  of  1/C. 

Transformation  to  the  bandpass  response 
is  a  little  more  complicated.  If  the  corner  fre- 
quencies of  the  bandpass  are  widely  sepa- 
rated (by  more  than  2  octaves)  the  filter  is 


made  up  of  separate  lowpass  and  highpass 
sections.  In  the  case  of  a  narrowband  band- 
pass filter  the  design  is  much  more  compli- 
cated and  is  usually  done  using  a  computer 
program  or  design  tables. 

SOME  ACTIVE  FILTER 
REALIZATIONS 

■  Sallen-Key:  Good  Phase  Response,  Least 
Dependent  on  Op  Amp  Performance, 
Sensitive  to  Element  Values  for  High 

Q  Sections 

■  Multiple  Feedback:  Less  Sensitive  to 
Element  Values,  High  Q  Sections  Difficult 
due  to  Op  Amp  Open  Loop  Gain  Limitations 

■  State- Variable:  Most  Precise,  More 
Components,  All  Parameters  Independently 
Adjustable 

■  Frequency  Dependent  Negative  Resistance 
(FDNR):  Op  Amps  not  in  Signal  Path,  More 
Components,  Relatively  Insensitive  to 
Component  Variations 


Figure  2.66 


Antialiasing  Filter  Design  Example 

We  will  now  design  a  passive  and  active 
antialiasing  filter  based  upon  the  same  speci- 
fications. The  active  filter  will  be  designed  in 
four  realizations:  Sallen-Key,  multiple 
feedback,  state  variable,  and  Frequency 
Dependent  Negative  Resistance  (FDNR).  We 
choose  the  Butterworth  filter  in  order  to  give 
the  best  compromise  between  attenuation 
and  phase  response. 

The  specifications  for  the  filter  are  as 
follows: 

ANTIALIASING 
FILTER  SPECIFICATIONS 

■  Cutoff  Frequency  Fc  =  8kHz 

■  Stopband  Attenuation  Fs  at  50kHz  =  70dB 

■  Best  Balance  Between  Attenuation  and 
Phase  Response 

■  Choose  Butterworth  Design 

■  From  Design  Charts,  for  f  =  6.25 

----- 


(50kHz/8kHz),M=5 

Rgure  2.67 


Consulting  the  design  charts  (Reference 
10,  p.  82),  we  see  that  for  70dB  of  attenu- 
ation at  a  frequency  of  6.25  (50kHz/8kHz)  a 
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fifth  order  filter  is  required. 

We  now  consult  the  tuning  tables  (Refer- 
:  10,  p.  341)  and  find: 


ALPHA  AND  F0  VALUES  FROM 
TUNING  TABLES 


For  the  Sallen-Key  active  realization,  we 


STAGE 

1 
2 
3 


ALPHA 


1.618 
0.618 


1.000 
1.000 


1.000 
Figure  2.68 


The  first  stage  is  a  i 
of  an  alpha  value.  It  should  be  noted  that 
this  is  not  necessarily  the  order  of  implemen- 
tation in  hardware.  In  general  you  would 
typically  put  the  real  pole  last  and  put  the 
second  order  sections  in  order  of  decreasing 
alpha  (increasing  Q). 

For  the  passive  design  we  will  choose  the 
zero  input  impedance  configuration.  From 
the  design  table  (Reference  10,  p.  313)  we 
find  the  following  normalized  values  for  the 
filter: 


NORMALIZED  PASSIVE  FILTER 
VALUES  FROM  TABLES 

L1  =  1.5451      C2  =  1.6944 
C4  =  0.8944 


L3: 
L5: 


1.3820 
0.3090 


Figure  2.69 


These  values  are  for  a  1  rad/second  filter 
with  a  1  ohm  termination.  To  scale  the  filter 
we  divide  all  reactive  elements  by  the  desired 
cutoff  frequency,  8kHz  (50265  rad/sec).  We 
also  need  to  scale  the  impedance.  For  this 
example,  we  choose  a  value  of  1000  ohms.  To 
scale  the  impedance  we  multiply  all  resistor 
and  inductor  values  and  divide  all  capacitor 
values  by  the  impedance  scaling  factor.  After 
,  the  circuit  looks  like  Figure  2.70. 

EXAMPLE  FILTER 
PASSIVE  IMPLEMENTATION 


L1 

30.73mH 


L3 
27.49mH 
 rvm  


L5 
6.147mH 


.C2 

'  .0337/1  F 


C4 

■01779/1  F 


RL 

1000Q 


use 


to  give  reasonable  resistor  values.  The 
implementation  is  shown  in  Figure  2.71.  For 
the  Sallen-Key  realization  to  work  correctly, 
it  is  assumed  to  have  a  zero-impedance 
driver  and  a  return  path  for  dc.  Both  of 
these  criteria  are  approximately  met  when 
you  use  an  op  amp  to  drive  the  filter. 

EXAMPLE  FILTER 


SALLEN-KEY... 

t  2.459KQ       °01'<  F  6.438kn 

ww-r  1(  mm 


.01/1  F  1.983kO 


1.983kQ 


OUT 


.00645/1 


Figure  2.71 

Figure  2.72  shows  a  multiple  feedback  re- 
alization of  our  filter.  It  was  designed  using 
the  equations  in  Figure  2.63. 

EXAMPLE  FILTER 
MULTIPLE  FEEDBACK  , 
IMPLEMENTATION  I 

Q  1.989*Q  OUT 


Figure  2.70 


Figure  2.72 

The  state  variable  realization  is  shown  in 
Figure  2.73,  and  the  Frequency  Dependent 
ive  Resistance  (FDNR)  realization  is 
Figure  2.74.  In  the  conversion 
process  from  passive  to  FDNR,  the  D  element 
is  normalized  for  a  capacitance  of  IF.  We 
then  scale  the  filter  to  a  more  reasonable 
value  (O.OluF  in  this  case). 

In  all  of  the  filters  above  the  values  shown 
are  the  exact  calculated  values.  These  exact 
values  are  rarely  obtainable.  We  must 
therefore  either  substitute  the  nearest  stan- 
dard value  or  use  series/parallel  combina- 
tions. Any  variation  from  the  ideal  values 
will  cause  a  shift  in  the  filter  response  char- 
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[  10kQ  lOkQ 


OkQ    19.89KG  10°°PF 


19.89kQ  1000pF 
VW-(  1(  ' 


"C 

i 


1.9$9kt2  1.989kQ  0UT 


.01>iF 


Figure  2.73 

EXAMPLE  FILTER 
FDNR  IMPLEMENTATION 


Figure  2.74 


xix  atuvc  iuicj  applications  using  op  amps, 
the  dc  accuracy  of  the  amplifier  is  often 
critical  to  optimal  filter  performance.  The 
amplifier's  offset  voltage  will  be  passed  by 
the  filter  and  may  be  amplified  to  produce 
excessive  output  offset.  For  low  frequency 
applications  requiring  large  value  resistors, 
bias  currents  flowing  through  these  resistors 
will  also  generate  an  output  offset  voltage. 

In  addition,  at  higher  frequencies,  an  op 
amp's  dynamics  must  be  carefully  considered. 
Here,  slewrate,  bandwidth,  and  open  loop 
gain  play  a  major  role  in  op  amp  selection. 
The  slewrate  must  be  fast  as  well  as  sym- 
metrical to  minimize  distortion. 

A  Programmable  State  Variable  Filter 


A  realization  of  a  programmable  state 
variable  filter  using  DACs  is  shown  in  Figure 
2.75.  DACs  Al  and  Bl  control  the  gain  and 
Q  of  the  filter  characteristic,  while  DACs  A2 
and  B2  must  accurately  track  for  the  simple 
expression  for  f  to  be  true.  This  is  readily 
accomplished  using  two  AD7528  DACs  and 
one  AD713  quad  op  amp.  Capacitor  C3 
compensates  for  the  effects  of  op  amp  and 
gain-bandwidth  limitations. 

This  filter  provides  lowpass,  highpass,  and 
bandpass  outputs  and  is  ideally  suited  for 
applications  where  digital  control  of  filter 
parameters  is  required.  The  programmable 
range  for  component  values  shown  is  f  =  0  to 
15kHz,  and  Q  =  0.3  to  4.5. 

A  PROGRAMMABLE  STATE 
VARIABLE  FILTER  CIRCUIT 


CS      V»S    DACA/DAC  B 


Figure  2.75 


CIRCUIT  EQUATIONS 

c!  «  C2  .  Ri  =     ,  Hj  =  % 
1 

f  C  

R3  RF 
Q=  

R4  RFBB1 
Rc 


NOTE: 

DAC  equivalent  resistance  equals 
256  x  (DAC  Ladder  resistance) 
DAC  Digital  Code 
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Seven-Pole  FDNR  20kHz  Antialiasing  Filter 


Figure  2.76  shows  a  7-pole  antialiasing 


filter  for  a  2x  oversampling  (88.2kSPS) 
digital  audio  application.  This  filter  has  less 
than  0.05dB  passband  ripple  and  19.8  ± 


0.3ns  delay,  dc-20kHz.  The  filter  will  handle 
a  5V  rms  signal  (V  =  +15V)  with  no  overload 
at  any  internal  nodes.  The  frequency  re- 
sponse of  the  filter  is  shown  in  Figure  2.77. 


20kHz  FDNR  AUDIO  ANTIALIASING  FILTER 


Figure  2.76 


Figure  2.77 
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A  Wideband  Sallen-Key  Filter 


Figure  2.78  shows  an  AD843  FET  input 
op  amp  used  in  a  1MHz  Sallen-Key  filter. 
This  circuit  also  works  well  with  the  AD841, 
AD845,  or  AD847.  The  circuit  is  designed  to 


be  a  maximum-flatness  filter  with  a  Q  of 
0.575  and  a  dc  gain  of  1.26.  The  frequency 
response  of  the  filter  to  a  OdBm  input  signal 
is  shown  in  Figure  2.79. 


1  MHz  SALLEN  KEY  FILTER  SALLEN-KEY  SMALL  SIGNAL 

FREQUENCY  RESPONSE 


R1  =  R2  =919.n. 
C1  =  C2  =  170  pF 


Figure  2.78 
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Figure  2.79 
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Using  Digitally  Programmable  Delay  Generators 


by  Allen  Hill 


The  AD9500  and  AD9501  digitally  programmable  delay 
generators  are  versatile  parts,  useful  in  numerous  appli- 
cations. The  parts  are  designed  for  use  in  automatic  test 
equipment  as  a  deskew  element  for  digital  data  lines. 
The  versatility  of  the  AD9500  and  AD9501  for  generating 
programmable  delays  allows  them  to  be  used  in  appli- 
cations which  range  from  ATE  to  communications,  com- 
puters, disk  drives,  lasers,  and  ultrasound  systems.  This 
note  describes  how  best  to  apply  these  parts  in  some  of 
these  applications. 

GENERAL  DESCRIPTION 

A  digitally  programmable  delay  generator  delays  a  digi- 
tal edge  by  a  programmed  amount  of  time.  Figure  1 
shows  the  basic  function  of  a  programmable  delay  gen- 
erator. The  delay  through  the  device  is  controlled  by  an 
N-bit  digital  word.  This  is  the  programmed  delay.  A 
trigger  pulse  is  applied  to  the  input,  and  after  a  fixed 
propagation  delay,  (tPD),  the  pulse  edge  appears  a  pro- 
gram delay  later  at  the  output. 
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Figure  1.  Programmable  Delay  Generator 

The  AD9500  (ECU  and  AD9501  (TTL)  use  a  ramp/com- 
parator/DAC  architecture  as  shown  in  Figure  2.  One  in- 
put of  a  high  speed  comparator  is  driven  by  a  digital-to- 
analog  converter  (DAC).  The  DAC  is  used  to  set  a 
reference  voltage  at  this  comparator  input.  The  other 
input  is  connected  to  a  ramp  generator.  The  ramp  gen- 
erator is  started  by  applying  a  pulse  to  the  trigger  input 
of  the  delay  generator.  When  the  ramp  voltage  crosses 
the  comparator  threshold  set  by  the  DAC,  the  output  of 
the  comparator  switches. 


This  output  is  delayed  from  the  trigger  pulse  by  an 
amount  of  time  which  is  proportional  to  the  DAC  digital 
input  code  and  the  slope  of  the  ramp.  Altering  the  digital 
delay  value  changes  the  DAC  output  voltage,  which  al- 
ters the  delay  through  the  circuit.  The  slope  of  the  ramp 
is  controlled  with  external  components. 
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Figure  2.  Delay  Generator  Block  Diagram  and  Basic 
Timing 


arator  has  switched,  the  ran 


Once  the  comparator  has  switched,  the  ramp  generator 
and  comparator  must  be  reset  so  that  the  device  can  be 
triggered  again.  One  method  of  accomplishing  the  reset 
is  to  connect  the  output  of  the  delay  generator  to  the 
reset  pin.  This  results  in  an  output  pulse  width  which  is 
equal  to  the  reset  propagation  delay  of  the  device  (7  ns 
to  15  ns).  An  alternate,  and  versatile  method  of  resetting 
the  device  is  to  use  an  external  signal  which  meets  the 
timing  requirements  of  the  part.  An  external  reset  signal 
allows  the  pulse  width  to  be  controlled  and  makes  sys- 
~~al  easier. 
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Full-Scale  Range  Setting 

The  full-scale  range  of  the  generator  is  the  span  over 
which  the  delay  can  be  programmed.  This  range  is  di- 
vided into  256  equal  delays  by  the  8-bit  digital  delay 
value.  The  full-scale  range  of  the  delay  generator  is  con- 
figured by  connecting  RSET  and  CEXT  as  shown  in  Figure 
3.  Additional  information  is  available  on  the  AD9500  and 
AD9501  data  sheets.  The  range  can  be  adjusted  from  a 
minimum  of  2.5  ns  out  to  10  (jls  and  beyond. 


TCext  manner. 


switch.  Figure  4  illustrates  the  output  jitter  with  various 
full-scale  delay  settings. 

The  full-scale  range  can  be  adjusted  by  switching  differ- 
ent values  of  resistance  into  the  RSET  pin.  A  digitally 
controlled  resistor  can  also  be  used  to  provide  this  func- 
tion. A  programmable  full-scale  circuit  is  generated  by 
using  a  DAC  to  control  the  current  flow  into  the 

"SET  P'^ 

as  shown  in  Figure  5.  The  RSET  pin  of  the  AD9500  is 
biased  at  approximately  -4.3  V  and  requires  a  current 
source  to  set  full  scale.  The  bias  on  the  RSET  pin  of  the 
AD9501  is 


about  0.5  V  and  can  be  used  in  a  similar 


FULL-SCALE  RAN 
RSET  *<CEXT  +11 


3E  =  FULL-SCALE  RANGE  = 

PF)  3.84*RSETx(CEXT+8.5pF) 


Figure  3.  Setting  Full-Scale  Range  on  the  AD9500  and 
AD9501 
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FULL-SCALE  =  100ns 
JITTER  =  0.4ns 


FULL-SCALE  =  10Ms 
JITTER  =  10ns 


FULL-SCALE  =  100|is 
JITTER  =  200ns 

Figure  4.  Output  Jitter  at  Various  Full-Scale  Settings  for 
the  AD9S00  and  AD9501 

The  maximum  full-scale  range  of  these  devices  depends 
on  the  amount  of  jitter  the  application  can  tolerate.  Jitter 
is  the  variation  of  delay  through  the  device  with  subse- 
quent trigger  pulses.  An  increase  in  full-scale  results  in 
an  increase  in  jitter  of  the  output  delay.  As  the  full-scale 
is  increased,  the  slope  of  the  ramp  is  decreased,  result- 
ing in  a  longer  period  of  time  that  the  ramp  is  in  the 
comparator  transition  region.  Any  noise  on  the  ramp  or 
DAC  during  this  time  can  cause  the  comparator  to 
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Figure  5.  Programmable  Full-Scale  Range  Using  a  DAC 
or  a  Digitally  Controlled  Resistor 

CEXT  should  not  be  switched  on  the  AD9500  or  AD9501 
to  provide  a  programmable  full-scale  range.  The  noise 
pickup  on  the  interconnects  can  cause  false  triggering  at 
the  input  of  the  device. 

When  CEXT  is  increased  to  extend  full-scale  range,  the 
reset  propagation  delay  increases  because  the  larger 
capacitance  must  be  discharged  to  reset  the  ramp. 

The  propagation  delay  is  the  time  required  for  the  ramp 
to  reach  the  first  DAC  threshold.  The  slope  of  the  ramp  is 
determined  by  the  full-scale  setting,  which  means  the 
propagation  delay  will  change  with  full-scale  range.  The 
propagation  delay  of  the  AD9500  and  AD9501  can  be 
calculated  from  the  equations  shown  below. 
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AD9500  Prop  Delay  =  5  ns  +  0.18  x  (Full-Scale  Range); 
Offset  Pin  Open 

AD9S01  Prop  Delay  =  8  ns  +  0.18  x  (Full-Scale  Range); 
Unset  rm  urounoea 


Each  device  has  an  offset  pin  which  can  be  used  to 
adjust  the  prop  delay.  This  adjustment  should  only  be 
used  to  match  the  prop  delays  of  more  than  one  device 
in  a  system.  There  is  not  sufficient  range  to  zero  the  prop 
delay,  and  if  the  offset  is  adjusted  too  low,  false  triggers 


Timing  for  the  AD9500  and  AD9501 

Figure  6  illustrates  the  timing  requirements  of  the 
AD9500  and  AD9501 .  The  trigger  delay  through  the  gen- 
erator is  made  up  of  four  separate  parts: 

1.  Trigger  Circuit  Delay 

2.  Ramp  Generator  Delay 

3.  Program  Delay 

4.  Comparator  Delay 

Trigger  circuit  delay,  ramp  generator  delay,  and  compar- 
ator delay  make  up  the  propagation  delay  of  the  device. 
Ramp  generator  delay  is  dependent  on  full-scale  range, 
as  discussed  earlier.  The  program  delay  is  the  amount  of 
delay  programmed  by  the  8-bit  digital  value. 


MAXIMUM 


=  <tPD)  =  (W.(t,,D2>*<W 

I  DELAY  =  MINIMUM  PROPAGATION  DELAY  (tPD)  «  FULL-SCALE  DELAY  RANGE  (t0FS) 


TOTAL  DELAY  =  (tPD)  +  (tD) 


Figure  6.  Delay  Generator  Timing 


The  reset  input  also  has  delays  associated  with  it: 

1.  Reset  Propagation  Delay 

2.  Linear  Ramp  Settling  Time 

The  reset  propagation  delay  is  the  time  from  the  edge  of 
the  reset  signal  until  the  output  of  the  comparator  re- 
sets. The  linear  ramp  settling  time  is  the  time  from  the 
edge  of  the  reset  signal  until  the  ramp  has  settled  to 
8-bit  accuracy.  The  reset  delays  are  not  cumulative  be- 
cause they  are  reset  in  parallel.  This  means  that  the 


linear  ramp  settling  time  determines  the  reset  time  when 
triggering  at  a  random  rate  because  it  is  the  longer  of 
the  two  delays. 

However,  if  the  device  is  triggered  at  a  constant  rate,  the 
reset  propagation  delay  determines  the  reset  time.  A 
constant  update  rate  causes  the  ramp  to  settle  to  the 
same  value,  even  though  this  is  not  the  theoretical  final 
value.  This  means  the  ramp  will  always  start  at  the  same 
point. 
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Max  Update  =  1  /  [Trigger  Delay  +  Reset  Delay  *  flesef 
to  Trigger  Holdoffl 
where 

Trigger  Delay  =  Prop  Delay  f  Full-Scale  Delay 
and 

Reset  Delay  -  Reset  Prop  Delay 

In  applications  where  the  update  is  not  constant,  the 
only  change  in  the  above  equation  will  be  that  the  reset 
delay  will  be  equal  to  the  linear  ramp  settling  time. 
When  the  digital  code  is  being  changed  between  trigger 
pulses,  the  settling  time  for  the  DAC  must  also  be  in- 
cluded to  determine  the  maximum  update  rate. 

Considerations  When  Using  the  AD9500 

The  OR  output  of  the  AD9500  is  included  to  provide  a 
separate  output  to  reset  the  device.  This  output  does  not 
have  the  drive  capability  of  the  Q  and  Q  outputs  and 
should  be  terminated  with  higher  values  of  resistance. 
Typically  4  kf!  connected  to  the  minus  supply  will  be 
acceptable. 

Feedthrough  of  noise  from  the  data  bus  can  cause  jitter 
on  the  delayed  output  of  the  AD9500.  If  the  AD9500  is  in 
the  latched  mode  and  the  data  bus  is  switching  while  a 
delay  is  being  performed,  jitter  will  be  seen  on  the  de- 
layed signal.  In  applications  where  this  situation  occurs, 
it  is  recommended  that  an  external  latch  be  used.  When 
using  the  latch  of  the  AD9500,  care  must  be  taken  to 
ensure  that  the  voltage  on  the  data  bus  does  not  exceed 
the  +  Vs  of  the  device.  Data  stored  in  the  latch  will  be  lost 
if  this  condition  exists.  The  problem  is  prevalent  when 
the  data  bus  is  tristated,  or  the  driving  logic  has  high 
VOH  (HCT),  or  high  slew  rate  (ACT).  In  each  of  these 
conditions  noise  or  switching  can  carry  the  voltage 
above  +VS. 

Using  an  external  latch  with  the  device  is  the  best  way  to 
alleviate  the  problem.  The  AD9501  does  not  exhibit  this 
condition. 

Using  the  AD9500  with  TTL  Signals 

In  applications  where  maximum  update  rate  is  required 
and  TTL  compatibility  must  be  maintained,  the  AD9500 
can  be  configured  as  shown  in  Figure  7.  The  TRIGGER 
pin  is  biased  to  a  level  which  is  at  the  switching  thresh- 
old of  a  TTL  signal.  The  TRIGGER  input  is  connected  to  a 
TTL  signal.  The  RESET  and  RESET  inputs  cannot  tolerate 
TTL  levels  and  must  be  resistively  divided  as  shown. 

The  outputs  of  the  AD9500  cannot  drive  TTL  logic  di- 
rectly. Their  swing  is  approximately  1  V  peak-to-peak. 
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Figure  7.  Interfacing  the  AD9500  with  TTL 

The  smaller  prop  delay  and  the  faster  reset  time  of  the 
AD9500  can  be  utilized  for  faster  update  rates.  If  the 
performance  specifications  of  the  AD9501  fit  the  applica- 
tion, it  should  be  used  in  lieu  of  an  AD9500  configured  in 
the  TTL  mode. 

Programmable  Oscillator  with  Enable 

An  AD9501  configured  as  a  programmable  oscillator  is 
shown  in  Figure  8.  The  frequency  of  oscillation  is  con- 
trolled by  programming  the  AD9501  delay  and  can  be 
determined  by  the  equation  shown  below.  The  enable 
input  allows  the  oscillator  to  be  switched  on  and  off, 
which  is  a  useful  feature  in  many  applications. 

Freq  =  1  /  [AD9501  Prop  Delay  +  AD9501  Program  Delay 
+  AD9501  Reset  Prop  Delay  +  (3  x  U1  Prop  Delay)! 
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Figure  8.  The  AD9501  Configured  as  a  Programmable 
Oscillator 


Delaying  A  Pulse 

The  AD9500  and  AD9501  delay  only  one  edge  of  the 
input  trigger  pulse.  The  trigger  pulse  is  not  replicated  at 
the  output  of  the  device.  To  preserve  the  pulse  width  of 
the  input  signal,  two  delay  generators  must  be  used  as 
shown  in  Figure  9.  The  full-scale  range  and  program 
delay  are  set  to  the  same  values  on  both  devices.  Delay 
Generator  1  delays  the  rising  edge  of  the  input  pulse, 
while  Delay  Generator  2  delays  the  falling  edge. 
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Figure  9.  Two  Delay  Generators  Used  to  Delay  Both 
Input  Pulse  Edges  to  Main  Pulse  Width  at  the  Output 

Multichannel  Deskewing 

High  speed  systems  with  parallel  signal  paths  require 
that  close  delay  matching  be  maintained.  Delay  mis- 
match can  cause  error  in  data  transfer.  Much  of  this 
skew  can  be  eliminated  by  running  each  signal  through 
a  delay  generator  and  adjusting  the  program  delays  to 
minimize  the  timing  skews.  With  the  very  fine  timing 
adjustments  possible  from  the  AD9500  and  AD9501, 
most  high  speed  systems  should  be  able  to  adjust  auto- 
matically to  extremely  tight  tolerances.  Figure  10  illus- 
trates a  typical  deskew  application.  A  method  of 
performing  the  calibration  of  multiple  delay  generators 
is  shown  in  Figure  1 1 .  At  the  test  head,  the  DUT  socket  is 
shorted  from  input  to  output.  The  Q  output  of  the  flip 
flop  is  monitored  for  the  switching  threshold  of  the  de- 
lay generator  as  the  digital  delay  code  is  varied.  Each 
delay  generator  is  adjusted  separately  with  this  offset 
delay  stored  in  its  latch.  Calibration  is  complete  when 
each  delay  generator  is  adjusted. 
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Figure  10.  Multiple  Signal  Deskewing 
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Laser  Applications 

Laser  light  differs  from  other  light  sources  in  that  it  is 
coherent.  Laser  light  is  usually  monochromatic  and 
highly  collimated.  Because  lasers  are  stable,  emit  sharp 
spectral  lines,  and  are  convenient  to  use,  they  are  found 
in  applications  such  as  range  measurement;  atmos- 
pheric monitoring;  industrial  cutting,  welding,  and  drill- 
ing; laser  printers;  computer  laser  disk  drives; 
spectrometry;  and  coniimunication. 

In  most  of  these  applications,  the  laser  is  a  pulsed  beam 
of  light  which  must  be  synchronized  to  an  external 
event.  The  AD9500  and  AD9501  provide  an  easy  means 
for  this  synchronization,  and  allow  calibration.  A  pro- 
grammable delay  generator  can  be  used  to  control  the 
timing  and  duration  of  a  laser  pulse  with  respect  to  an 
external  event.  In  systems  with  two  or  more  lasers, 
synchronization  can  also  be  controlled  with  a  delay 
generator. 

The  duration  of  laser  pulses  is  usually  short,  tens  of 
nanoseconds,  and  the  repetition  rate  is  fairly  low,  tens  of 
kilohertz.  Full-scale  range  must  be  set  small  so  that 
jitter  induced  by  the  delay  generator  does  not  corrupt 
the  required  synchronization  of  the  system.  This  usually 
means  the  full-scale  range  is  set  to  much  less  than 
a  cycle  of  the  laser  pulse  repetition  rate,  typically 
100  ns-300  ns.  A  fixed  coarse  delay  may  have  to  be  used 
in  conjunction  with  a  fine  tune  programmable  delay  gen- 
erator to  cover  the  range  of  interest  to  provide  the  re- 
quired accuracy. 

Pulse  Width  Modulation  (PWM) 

Another  application  for  the  AD9500/AD9501  is  pulse 
width  modulation  (PWM)  in  laser  printers.  PWM  allows  a 
laser  printer  to  print  gray  shades  instead  of  just  black 
and  white  images. 

In  normal  operation  a  pulse  is  supplied  to  a  laser  diode 
driver  which  turns  the  laser  diode  completely  on  or  off. 
When  the  diode  is  on,  toner  is  deposited  on  the  drum, 
and  when  the  diode  is  off,  no  toner  is  deposited.  This 
image  is  then  transferred  to  paper.  The  image  will  be 
black  and  white. 
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By  controlling  the  laser  diode  pulse  width,  varying 
shades  of  gray  may  be  generated.  Using  two  AD9501s 
as  shown  in  Figure  12,  the  pulse  width  can  be  modulated 
digitally.  Digital  modulation  allows  tremendous  flexibil- 
ity and  repeatability  in  creating  gray  shade  images. 
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Figure  12.  Laser  Printer  PWM 
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Layout  Considerations 

Although  the  AD9500  and  AD9501  are  designed  to  inter- 
face with  digital  signals,  they  are  inherently  analog  cir- 
cuits. It  is  therefore  critical  to  use  high  speed  analog 
circuit  layout  techniques.  The  ground  connections  to  the 
device  should  be  a  low  impedance  connection  to  a  solid 
ground  plane.  The  plane  should  extend  under  the  device 
to  shield  it  from  digital  switching  signals. 

Most  socket  assemblies  add  significant  interlead  capac- 
itance, and  should  be  avoided  whenever  possible.  If 
sockets  must  be  used,  individual  pin  sockets  such  as 
AMP  Part  Number  6-330808-0  should  be  used.  Prototyp- 
ing on  wirewrap  or  vector  board  is  strongly  discouraged. 

Power  supply  decoupling  is  also  critical  for  high  speed 
design;  a  0.1  u_F  capacitor  should  be  connected  as  close 
pin. 


as  possible  to  each  su 

Even  in  applications  where  the  devices  will  be  updated 
at  slow  rates  and  the  programmed  delays  will  be  very 
long,  the  above  considerations  must  be  taken  into 
account. 
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Programmable-Delay  ICs  Control  System  Timing 

by  Craven  Hilton  and  Jeff  Barrow 


Low  cost,  low  power,  and  small  package 
size  extend  the  application  of  digital-to- 
time  converters  in  system  timing  applica- 
tions. By  exploiting  the  programmability 
features  of  these  devices,  you  can  both  sim- 
plify timing-system  design  and  gain  greater 
control  of  timing  parameters  than  you  can 
by  using  analog  time-delaying  methods. 


Accurate  control  of  pulse  timing  is  extremely  important 
in  digital  electronic  systems  in  those  applications  where 
system  requirements  dictate  digital  control  of  delays. 
Until  now,  you've  had  to  use  an  analog  method,  employ- 
ing a  high-speed  comparator  to  detect  the  incremental 
delays  on  a  linear  ramp,  and  a  D/A  converter  to  set  the 
threshold  level  of  the  comparator.  This  design  uses  as 
much  as  one  watt  of  power;  now,  however,  monolithic 
digital-to-time  converters  (DTCs),  such  as  the  AD9500, 
accomplish  the  same  function  while  only  dissipating  300 
mW.  You  can  use  the  AD9500  to  control  time  delays 
having  intervals  as  small  as  10  psec  in  a  full-scale  span 
of  2.5  nsec  min. 


CONTROL 


DEVICE 
UNDER 
TEST 


MEASUREMENT 


Fig  1 — This  test  configuration,  typical  of  virtually  all  electronic 
measurement  systems,  comprises  four  blocks:  stimuli,  control, 
measurement,  mid  the  device  under  test. 

Some  circuit  examples  illustrate  the  benefits  of  using 
a  monolithic  DTC  in  such  applications  as  LSI  and  VLSI 
automatic  test  systems,  which  present  significant  chal- 
lenges in  pulse  generation  and  distribution.  For  in- 
stance, although  you  can  achieve  repeatable  delays  of 
less  than  100  psec  by  using  an  analog  technique  with  an 
RC  time  reference,  this  method  will  not  provide  you 
with  variable  delays  having  such  short  intervals.  The 
key  to  the  flexibility  of  the  monolithic  DTC  is  the 
device's  programmability. 

Fig  1  is  a  generic  block  diagram  of  virtually  all 


Reprinted  from  EON  -  February  18,  1988 


PROGRAMMABLE  DELAY  GENERATORS  14-9 


electronic  measuring  systems.  Such  a  system  can  evalu- 
ate any  device  (the  device  under  test,  or  DUT)  for 
virtually  any  performance  criteria  if  you  apply  the 
proper  stimuli  and  use  the  appropriate  measurement 
circuits.  This  electronic  measuring  system  will  serve  as 
a  model  for  the  timing  circuits  throughout  the  remain- 
der of  the  text. 


One  way  to  exploit  the  programmability  of  the  DTC 
is  to  use  two  DTCs  triggered  from  the  same  clock  to 
program  both  the  leading  and  trailing  edges  of  an 
output  pulse.  This  application  is  illustrated  in  Fig  2a. 
The  first  DTC  (ICi),  which  produces  the  leading  edge  of 
the  output  pulse,  drives  the  clock  input  of  IC3,  a  D-type 
flip-flop  whose  D  input  is  tied  to  a  logic  one.  After  Id 


DATA  ADORESS 
BUS  DECODE 


INPUT 
CLOCK 


— IT— r~T7a>mV 


lOOmVMIN 
MAX 


TO  SIGNAL 
GENERATOR 


 TO 

rl 


BUS  OECOOI 

-Jr  If 


ICi 

DTC  2 


E  *L. 

18  |5 


6 

-Vie 


-JT 


Jl 


*|JL 


0 

i 

CLK 

ICi 

Qi 

S4MC10131 

R, 

OUTPUT  PULSE 


Jl 


Jl 


Jl 


M 


H  


 I 


Fig  2— Two  DTCs  control  the  output's  leading  and  trailing  edge»  in  this  digitally  controlled  pulse  generator.  The  timing  diagram  in  b  brings 
out  the  fact  that  the  leading  edge  of  the  output  pulse,  Q,„  occurs  after  an  interval  equal  to  the  propagation  delay  plus  the  programmed 
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Fiy  3 — Providing  precise  delay  matching  in  critical  applications, 

this  circuit  uses  multiple  DTCs  to  compensate  for  differences  in  the 
delays  inherent  in  different  signal  paths.  The  closed-loop  circuit 
provides  a  deskewing  function. 


clocks  the  one  through  the  flip-flop,  the  second  DTC 
(IC2)  resets  the  flip-flop,  thereby  producing  the  falling 
edge. 

At  a  time  equal  to  the  propagation  delay  plus  the 
programmed  delay  of  the  first  DTC  (Fig  2b),  the 
flip-flop  produces  the  leading  edge  of  the  output  pulse. 
Because  the  propagation  delays  of  the  two  DTCs  cancel 
each  other,  the  width  of  the  output  pulse  is  exactly  the 
difference  between  the  programmed  delays  of  the  two 
DTCs.  You  can  determine  the  programmed  delay  of 
each  DTC  from 

XX 

tD  =  tpo  +  pp'*  (RsET  CsEt)- 

The  circuit  of  Fig  3  provides  precise  delay  matching 
for  those  applications  in  which  you  need  to  distribute  a 
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Fig  4—  Using  DTCs  configured  to  start  and  stop  the  oscillation,  this  digitally  programmable  oscillator  gives  you  complete  control  over  the 
start-up,  shutdown,  and  frequency  of  oscillation.  
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number  of  pulses  and  maintain  good  coherence  between 
those  pulses.  Because  individual  test  circuits  may  have 
extraneous  delays  in  the  signal  paths  to  the  DUTs, 
close  matching  in  the  initial  tester  delays  will  not  be 
sufficient  to  guarantee  close  matching  between  the 
delivered  pulses.  The  combination  of  programmable 
deskewing  circuitry  and  the  closed-loop  calibration 
scheme  of  Fig  3  allows  you  to  compensate  for  the  timing 
variations  in  the  circuit  paths  during  your  test-system 
setup  cycle. 

During  the  setup  cycle,  the  closed-loop  system  mea- 
sures the  delay  to  each  input  pin  of  the  DUT.  It  then 
modifies  the  delay  values  stored  in  each  of  the  DTCs 
until  the  input  pulses  arrive  at  the  DUT's  pins  simulta- 


neously. This  method  allows  you  to  match  the  delays  to 
the  DUT  to  a  resolution  of  20  psec  for  a  full-scale  delay 
period  of  5  nsec. 


Programmable  oscillator 

Pig  4  shows  that  you  can  also  create  a  digitally 
programmable  oscillator  by  using  three  DTCs.  ICi  acts 
as  a  start-up  pulser  to  trigger  the  other  two  DTCs, 
which  are  configured  as  astable  oscillators  intercon- 
nected in  a  wired-OR  configuration.  You  can  generate 
the  start-oscillation  pulse  locally,  or  you  can  use  the 
system  power-up-reset  signal  to  generate  the  start- 
oscillation  pulse.  Because  the  DTC  is  edge  triggered 

and  the  oscillator  is  stable  in  either  the  oscillating  or 

■ 


DTC  uses  analog,  digital  internal  circuitry 


Fig  A  displays  the  AD9500 
along  with  the  external  circuitry 
required  to  configure  it  as  a 
DTC.  An  8-bit  word  sets  the 
output  voltage  of  the  IC's  inter- 
nal D/A  converter.  The  DAC's 
output  voltage  in  turn  estab- 
lishes a  threshold  for  the  high- 
speed voltage  comparator.  You 
can  latch  the  input  word  to  the 
AD9500  by  applying  a  one  to  the 
latch-enable  input  of  the  device. 
Alternatively,  if  you  want  to 
change  the  value  of  the  input  on 
the  fly,  hold  the  latch-enable 
input  at  logic  zero  and  the 
latches  will  remain  transparent. 

Because  the  DTC  controls  pre- 
cision delays  for  high-speed  sig- 
nals, its  delay-path  inputs  and 
outputs  are  designed  to  be  ECL 
compatible.  The  IC's  differential- 
I/O  structure  affords  maximum 
timing-noise  immunity  when  you 
interface  the  chip  to  either  10K 
or  10OK  logic.  For  less  demand- 
ing applications  that  use  10K 
ECL  circuitry,  you  can  use  the 
on-chip  ECL  reference  and  oper- 
ate the  chip  in  a  single-ended 
mode. 
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fig  A — Using  both  analog  and  digital  internal  circuitry,  the  AD95O0  requires  only  a 
resistor  and  a  capacitor  as  external  components  in  programmable-delay  applications. 
User  and  Csur  (Cnxr+Curr)  provide  a  reference  for  the  internal  timing-control  circuit. 
The  ramp  generated  by  the  RsktICsht  time  reference  remains  linear  despite  Die  effects  of 
time,  temperature,  and  supply-voltage  variations. 


The  DTCs  time  reference  is 
RC  based;  it  serves  as  the  ramp 
generator  and  as  a  timebase  for 
the  on-chip  DAC.  Because  the 
DAC's  gain  is  proportional  to  the 
time  reference,  any  change  in 
the  ramp's  slope  is  compensated 
by  the  DAC's  gain.  This  compen- 
sation reduces  the  effects  of  en- 


time  and  timing  linearity. 

You  determine  the  full-scale 
delay  of  the  device  through  your 
selection  of  external,  passive 
components.  Although  the  rec- 
ommended range  of  full-scale  de- 
lays is  from  2.5  nsec  to  100  usee, 
you  can  extend  delays  beyond 
100  (jtsec  if  you  can  tolerate  a 


vironmental  changes  on  full-scale  degradation  of  the  linearity  and 
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nonoscillating  mode,  a  single  pulse  from  IC,  will  start 
the  oscillation.  By  grounding  the  trigger  input  on 
either  IC2  or  IC:!,  you  can  stop  the  oscillation. 

As  Fig  4  shows,  each  DTC  resets  itself  as  it  triggers 
the  alternate  DTC.  The  programmed  delay  of  each 
device  is  determined  by  the  equation  given  earlier.  This 
delay,  in  turn,  determines  the  output  frequency  of  the 
oscillator,  which  is  simply  the  reciprocal  of  the  sum  of 
the  two  propagation  delays  plus  the  two  programmed 
delays. 

When  you  need  to  measure  a  time  delay,  you  can  use 
two  DTCs  in  conjunction  with  two  comparators,  a 
D-type  flip-flop,  and  a  successive-approximation  regis- 
ter (SAR)  as  illustrated  in  Fig  5a.  Flip-flop  IC3  serves 


as  a  coincidence  detector.  The  first  DTC  (ICO  varies  the 
delay  of  the  pulse  applied  to  the  D  input  of  the  flip-flop. 
The  coincidence  detector  serves  as  a  time  comparator, 
whose  function  is  analogous  to  that  of  a  voltage  compa- 
rator in  a  successive-approximation  A/D  converter. 
The  clock  input  to  the  flip-flop  is  delayed  by  a  ] 

delay  and  checks  to  see  if  the  delay  is  greater  than 
half-scale.  Then  it  checks  for  one-quarter  or  three- 
quarters  scale,  one-eighth  or  seven-eighths  scale,  and 
so  on.  At  the  end  of  the  test  process,  then,  the  output  of 
the  SAR  provides  an  8-bit  representation  of  the  delay 
through  the  DUT.  To  measure  TTL-circuit  delays,  you 




NOTES: 

ts  IS  OIGITAL-DATA  SETUP  TIME 
Ik  IS  DIGITAL-DATA  HOLD  TIME 
Ilpw  IS  LATCH-ENABLE  PULSE  WIDTH 
tD»c  IS  INTEPiNAL-DAC  SETTLING  TIME 
tpo  IS  MINIMUM  PROPAGATION  DELAY 
Ird  IS  RESET  PROPAGATION  DELAY 
to  IS  PROGRAMMED  DELAY 
t,pw  IS  TRIGGER  PULSE  WIDTH 
Inpw  IS  RESET  PULSE  WIDTH 
!tho  IS  RESET-TO- TRIGGER  HOLDOFF 
-TO-RESET  HOLDOFF 


Fig  B — Timing  characteristics  for  the  digital-to-time  converter  are  shown  in  this 
timing  diagram.  The  illustration  shows  the  relationship  between  the  digital  delay- 
coefficient  data  and  the  latch-enable  strobe.  The  text  delineates  the  limits  you  should 
observe  for  the  various  inputs,  in  order  to  obtain  proper  operation  of  the  DTC. 


repeatability  of  the  delay.  At 
the  other  end  of  the  spectrum,  if 
you  choose  a  full-scale  range  of 
2.5  nsec,  then  the  smallest  incre- 
mental delay  available  to  you  is 
10  psec. 

The  maximum  delay  trigger 
rate  is  100  MHz,  but  an  offset 
adjustment  in  the  device  allows 
you  to  operate  two  DTCs  in  a 
ping-pong  fashion  to  double  the 


trigger  rate.  The  IC's  maximum 
differential  nonlinearity  is  ±xk 
LSBat2B*C  and  ±1  LSB  over 
the  operating-temperature 
range.  Maximum  integral  nonlin- 
earity for  the  device  is  ±1.25 
LSB  for  full-scale  delays  of  100 
nsec  or  more  over  the  operat- 
ing-temperature range. 

The  timing  characteristics  of 
the  AD9500  are  illustrated  in 


Fig  B.  Lines  1  and  2  show  the 
timing  relationship  between  dig- 
ital-delay coefficient  data  and 
the  latch-enable  strobe.  The 
minimum  latch-enable  pulse 
width  is  2  nsec.  The  data  setup 
time  for  the  input  latch  is  a  max- 
imum of  2.5  nsec,  and  the  hold 
time  is  a  minimum  of  4.5  nsec. 
You  must  allow  at  least  25  nsec 
from  the  rising  edge  of  the 
latch-enable  pulse  before  you 
trigger  an  event,  otherwise  the 
internal  DAC  might  not  have 
time  to  settle. 

Lines  3,  4,  and  5  of  Fig  B 
show  the  relationship  of  the  out- 
put to  the  reset  and  trigger 
events.  The  total  delay  through 
the  DTC  is  the  sum  of  the  prop- 
agation delay  and  the  pro- 
grammed delay.  The  propaga- 
tion delay  equals  the  delay 
through  the  differential  input 
stage,  the  comparator,  and  the 
delay  attributable  to  ignoring 
the  first,  nonlinear  portion  of 
the  ramp.  The  last  of  these  com- 
ponents increases  with  full-scale 
delay. 
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''iff  5 — Operating  in  similar  fashion  to  a  successive-approximation  AID  converter,  this  circuit  allows  you  to  make  precise  delay 
measurements.  The  circuit  in  a  handles  ultrafast  ECL  circuitry;  you  can  easily  modify  it  to  accommodate  TTL  circuits.  The  timing  diagram 
in  b  illustrates  the  timing  characteristics  at  various  points  in  the  circuit. 
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add  an  AD9686  comparator  between  the  Q  output  of  the 
second  DTC  (IC2)  and  the  input  to  the  unknown-delay 
circuit,  and  an  AD96685  comparator  between  the  out- 
put of  the  unknown-delay  circuit  and  the  flip-flop. 

To  calibrate  the  circuit  of  Fig  5b,  you  insert  a 
shorting  strap  in  place  of  the  unknown-delay  circuit  to 
eliminate  extraneous  circuit  delays  and  the  flip-flop's 
setup  time.  To  null  the  circuit,  apply  a  digital  code  of 
00,6  to  IC2  and  adjust  potentiometer  Rs.  This  adjust- 
ment varies  the  propagation  delay  through  ICZ.  The 


calibration  is  complete  when  the  output  of  the  SAR  is 
also  00)6.  You  must  apply  start-conversion  pulses  during 
the  calibration.  This  calibration  procedure  is  equally 
valid  for  the  modified,  TTL-delay  configuration.  Fig  5b 
shows  the  timing  for  a  typical  conversion  cycle. 

You  can  use  the  circuit  of  Fig  6a  to  measure  the 
settling  time  of  analog  signals— for  example,  the  output 
of  a  D/A  converter.  The  operation  of  this  circuit  is 
similar  to  the  operation  of  the  digital  delay  detector, 
but  it  uses  a  voltage-input  window  comparator  in  place 
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Fig  6 — You  can  measure  the  settling  time  of  analog  signals  by  using  the  circuit  in  a.  The  operation  of  this  circuit  is  similar  to  that  of  the 
digital  delay  detector  in  Fig  5a.  A  typical  analog  voltage-settling  waveform  is  illustrated  in  b. 
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of  the  coincidence  detector,  and  down  counters  in  place 
of  the  SAR. 

Fig  6b  shows  a  typical  analog  voltage-settling  wave- 
form, as  well  as  the  output  of  a  window  comparator  that 
uses  a  constant  high-frequency  strobe.  This  continuous- 
clock  method  produces  ambiguous  results  because  the 
signal  comes  into  the  error-band  window  during  three 
clock  periods.  The  circuit  of  Fig  6a,  however,  produces 
a  single  strobe  per  cycle  of  the  analog  signal  and  homes 
in  on  the  correct  measurement  in  the  following  manner. 

The  first  DTC  (IC,)  controls  the  timing  of  the  DUT 
switching.  The  second  DTC  (IC2)  delays  the  latch- 
enable  strobe  to  the  high-speed  window  comparators. 
The  start-conversion  pulse  initiates  the  down  counters 
to  a  full-scale  setting.  On  each  cycle  of  the  clock,  the 
counter  decrements  and  the  strobe  to  the  window 
comparator  moves  back  closer  to  the  time  when  the 


DUT  is  switched.  Because  the  circuit  starts  at  full-scale 
time,  the  first  strobe  occurs  well  after  the  DUT  has 
settled.  As  successive  clocks  arrive,  the  circuit  causes 
the  strobe  to  back  up  until  the  DUT  signal  falls  out  of 
the  range  of  the  window  comparator.  As  a  result,  the 
window  comparator  stops  the  down  counter,  whose 
output  represents  the  settling  time  of  the  DUT. 

To  compensate  for  extraneous  circuit  delays,  you  can 
adjust  the  RSET  potentiometer.  Insert  a  shorting  strap 
in  place  of  the  DUT  and  change  the  window  reference 
voltages  VA  and  VB  to  -1.28V  and  -1.32V,  respective- 
ly. Then  adjust  RSet  until  you  receive  a  zero  output 
from  the  down  counters.  When  you  reset  the  voltages 
for  the  window  around  the  DUT's  output  and  the 
conversion  takes  place,  the  output  of  the  down  counter 
will  represent  the  propagation  delay  plus  the  settling 
time  of  the  DUT. 
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A  Low-Noise  Low  Drop-Out  Regulator  for  Portable  Equipment 

by  James  Wong 


Designed  for  laptop  computers  and  portable  instruments,  this 

low-noise,  low  drop-out  regulator  achieves  all  objectives  of 

small  size,  low  power  and  safe  operation. 



The  primary  goal  of  designing  a  battery 
power  supply  system  for  laptop 
computers  or  portable  instruments  is 
to  maximize  operating  time  before 
recharging  becomes  necessary.  Translating 
the  goal  into  design  criteria,  the  system 
must  have  high  efficiency  and 
extraordinarily  low  standby  power  drain, 
not  only  during  normal  operation,  but  also 
during  potential  short-circuit  occurrences. 
In  addition,  the  regulator  circuit  must  be 
capable  of  recovering  rapidly  and 
maintaining  a  stable  output  even  when 
sudden  surges  of  current  occur  in  the  load. 

A  linear  series-pass  regulator  is 
particularly  attractive  when  compared  to  a 
switchmode  design.  The  linear  design  offers 
the  following  features:  low  noise,  fast 
response,  simplicity,  and  comparable 
efficiency.  Low  noise  is  inherent  because 
the  linear  supply  has  no  fast  switching 
circuits.  This  feature  is  especially  desirable 
for  powering  the  linear  circuits  used  in 
sensitive  portable  instruments  where  high 
frequency  noise  can  easily  enter  high 
impedance  circuits  and  destroy  accuracy. 
The  system  can  be  designed  for  as  wide  a 
bandwidth  as  necessary,  determined  by  the 
choice  of  op  amp  and  its  operating  current 
The  linear  circuit  is  quite  simple  compared 


to  a  switcher;  fewer  component  parts  helps 
ensure  a  reliable  design.  The  full  load 
efficiency  can  be  designed  to  be 
comparable  to  a  switcher  because  the  input 
battery  voltage  can  be  chosen  to  be  only 
slightly  higher  than  the  desired  output  and 
the  input  does  not  vary  over  wide  limits. 
Furthermore,  the  zero  load  quiescent 
current  can  be  made  much  lower  than  a 
switcher  by  the  proper  choice  of 
components. 

Figure  1  shows  a  complete  5V,  1A  low 
drop-out  linear  voltage  regulator  that  can 
operate  at  up  to  90%  conversion  efficiency 
near  drop-out  voltage,  while  drawing  less 
than  50|±A  of  standby  current.  The  design 
owes  its  low  operating  current  to  several 
contributing  factors.  The  heart  of  the 
regulation  loop  is  an  ultra-low  supply 
current  op  amp,  the  OP-90,  which  typically 
draws  only  15|iA  of  supply  current.  Another 
OP-90  is  used  to  generate  a  precision 
bandgap  reference  that  consumes  less  than 
20f±A  current  Instead  of  using  a  bipolar 
power  transistor  for  the  pass  element,  a 
MOSFET  power  transistor  is  used.  The 
reasoning  behind  selecting  the  MOSFET 
is  that  the  MOSFET  gate  draws  only 
picoamps  rather  than  milliamps  of  steady- 
state  current  In  addition,  a 


MOSFET  allows  the  regulator  to  operate 
with  an  exceptionally  low  drop-out  voltage 
and  still  maintain  regulation.  The  details 
of  the  design  are  discussed  in  the  following 
sections. 

The  Power  Transistor 

Using  a  P-channel  MOSFET  permits  a 
low  drop-out  design  to  be  easily 
implemented.  The  gate  drive  is  simple 
because  the  FET  is  turned  on  when  the 
gate  is  returned  to  ground.  Several  types  I 
of  FETs  are  available  that  can  handle  I 
amperes  of  current  with  a  gate-source 
potential  of  only  5V. 

To  allow  sufficient  headroom  for 
maintaining  regulation  the  following 
inequality  must  be  satisfied: 


VB       >Vo  +  lo  rDS(on) 

where 

vB     -  Battery  voltage  at  the  limit 

selected  for  %  discharge 
V0     -  Output  voltage  of  regulator 
Io      -  Output  current  of  regulator 
rDS(on)  -  drain-source  on-resistance  of 
MOSFET 
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The  choice  of  MOSFET  used  is,  as  usual, 
a  compromise  between  conflicting  goals.  A 
lower  rns(on)  transistor  allows  VB  to  more 
closely  approach  V0.  The  penalty  paid  is 
higher  part  cost  and  higher  capacitance, 
which  lowers  bandwidth.  For  the  design 
example  of  Figure  1,  the  IRF  9530 
MOSFET  was  chosen.  It  has  a  specified 
maximum  rDS(0n)  of  0.5Q.  At  operating 
temperature  this  provides  enough 
headroom  to  operate  satisfactorily  when 
VB  is  6V  and  !<,  is  1A. 

The  Reference  Voltage 

To  achieve  a  stable,  accurate  regulation 
loop,  a  fairly  precise  reference  voltage  needs 
to  be  generated.  It  is  difficult  to  find  a 
reasonably  accurate  reference  using  a  zener 
or  a  bandgap  device  that  operates  at 
microamps  of  current.  In  particular,  low 
power  zener  diodes  generally  have  poor 
dynamic  resistance  characteristics  and  poor 
initial  device-to-device  tolerance.  Thus,  as 
the  battery  voltage  varies  so  will  reference 
voltage  accuracy. 

However,  a  pair  of  matched  transistors 
(MAT-01),  closing  the  loop  around  an 


amplifier,  easily  forms  a  stable  bandgap 
circuit,  as  shown  in  Figure  1.  The  circuit 
typically  draws  17jjA  of  quiescent  current 
yet  exhibits  low  temperature  drift 
characteristics.  The  circuit  requires  one 
adjustment  to  set  the  bandgap  voltage  of 
1.230V  at  the  amplifier  output.  This 
calibration  also  establishes  a  low 
temperature  drift  coefficient  point.  Its 
typical  drift  is  5.5)jV/°C  over  a  -40°C  to 
+85°C  temperature  range 

lb  achieve  this  high  degree  of  precision, 
the  proper  passive  components  must  be 
used.  All  resistors,  except  the  one  to  the 
FET  gate,  must  be  1%  metal  film  types  with 
a  temperature  coefficient  of  50  ppm/°C  or 
better  supplied  from  the  same  manu- 
facturer. The  trimpot  must  have  a  similarly 
low  temperature  coefficient.  It  should  also 
be  a  multiturn  type  in  order  to  permit  an 
accurate  voltage  adjustment. 

In  applications  where  low  supply  current 
is  not  of  critical  importance,  the  reference 
trim  can  be  eliminated  altogether  using  a 
monolithic  precision  reference  device  such 
as  the  REF-43  in  Figure  2.  The  device's 
quiescent  current  consumption  is  on  the 


order  of  450uA.  Besides  offering  a 
temperature  stable  (10ppm/°C)  2.5V 
output,  its  initial  tolerance  is  0.2% 
maximum  over  the  full  temperature  range, 
which  renders  trimming  unnecessary.  In 
addition,  it  can  tolerate  an  input  drop  to 
as  low  as  4.5V  and  still  maintain  regulation. 
Finally,  the  REF43  has  a  temperature 
output  that  can  be  used  to  temperature 
compensate  the  circuit,  saving  components 
over  a  discrete  circuit  scheme. 

The  Op  Amp 

For  this  design  an  ultra-low  current, 
single  supply  op  amp  is  used  to  regulate 
the  loop.  Of  the  many  op  amp  types 
available,  few  can  match  the  ultra-low  15|xA 
supply  current  of  the  OP-90.  In  addition, 
the  OP-90  has  excellent  output  swing 
range,  which  is  critical  when  operating  on 
only  6V  of  supply  voltage.  For  example,  in 
the  case  where  the  regulator  is  not 
delivering  any  load  current,  the  op  amp's 
output  must  swing  to  within  one  volt  of  the 
positive  supply  rail  in  order  to  cut  off  the 
FET  gate  drive.  Conversely,  when  a  rated 
one  amp  current  flows,  the  amplifier  output 
must  swing  sufficiently  low,  to  within  one 
volt  of  ground,  to  ensure  adequate 
enhancement  drive  to  the  FET. 

The  regulation  loop  is  closed  by  feeding 
back  a  portion  of  the  5V  regulated  output 
to  the  noninverting  input  of  the  op  amp. 
Negative  feedback  is  accomplished  because 
the  P-channel  MOSFET  provides  a  phase 
inversion. 

AC  characteristics  of  the  regulation  loop 
are  important  whenever  the  load  goes 
through  a  sudden  disturbance  The  lower 
the  bandwidth  the  slower  the  recovery  to 
a  loop  perturbation.  Figure  3  shows  how 
the  regulator  of  Figure  1  reacts  to  such  a 
load  change  Starting  from  no  load,  a  step 
change  of  150mA  of  load  current  was 
applied  to  the  regulator.  Notice  in 
Figure  3a,  Trace  2,  the  output  initially 
dipped  by  some  80mV.  It  took  about  2msec 
before  it  recovered  to  a  stable  state.  The 
amount  of  glitch  noise  and  slow  recovery 
may  not  be  acceptable  for  certain 
equipment  such  as  precision  instruments 
where  glitch  noise  in  the  supply  can  disrupt 
a  sensitive  measurement,  resulting  in 
errors.  On  the  other  hand,  if  the  regulator 
is  used  to  power  logic  circuits,  the  80mV 
glitch  is  usually  well  within  their  noise 
margin. 

Faster  response  can  be  obtained  by 
substituting  an  OP-20  as  the  error  amplifier. 
While  the  OP-20  consumes  50nA,  versus 
15uA  for  the  OP-90,  its  bandwidth  is 
considerably  higher.  The  middle  trace  of 
Figure  2b  shows  that  both  glitch  amplitude 
and  recovery  time  improved  significantly. 
The  glitch  amplitude  is  reduced  from  80mV 
to  about  35mV  and  its  recovery  time 
shortens  from  2msec  to  0.5msec. 

The  bottom  trace  of  the  photos  of 


Figure  1.  A  Low  Drop-Out  Regulator  That  Supplied  5V,  1A  Output.  The  Circuit  Draws 
50j*4  Standby  Current. 
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Figure  2.  Less  Critical  Supply  Current  Applications  Can  Use  an  Adjustment-Free  Design 
Using  a  Precision  2.500V  Reference  Supplies  by  the  REF-43.  Quiescent  Current  of  the 
REF-43  Is  45£>mA 
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Figure  2  shows  how  the  two  regulator 
circuits  behave  when  a  150mA  step  current 
is  applied  on  top  of  a  normal  750mA 
quiescent  load,  which  more  realistically, 
simulates  the  real-world  condition.  Notice 
in  both  cases,  the  peak  glitch  amplitude  is 
on  the  order  of  lOmV,  a  much  more 
tolerable  behavior.  The  OP-20's 
performance  shows  a  dramatic 
improvement  in  recovery  time 

Battery  Selection  and  Charging 

The  need  for  laptop  computers  or 
portable  instruments  to  run  for  hours  is  a 
foremost  design  consideration. 
Advancements  in  CMOS  circuits  and 
battery  technology  today  allow  laptop 
computers  to  operate  for  as  long  as  4  to 
6  hours  without  recharging. 

Lead-acid  batteries  have  several  desirable 
characteristics  that  have  caused  sealed 
small  cell  units  to  be  developed  for  portable 
products.  One  of  their  characteristics  is  that 
they  will  tolerate  a  relatively  fast  charging 
time,  as  fast  as  2  hours,  to  reach  90%  of 
capacity.  Another  is  relatively  high  capacity 
for  the  weight  and  volume  Because  of  their 
extremely  low  internal  impedance,  they  can 
deliver  many  amperes  of  current  in  a  short 
period  of  time,  although  some  care  needs 




to  be  exercised  to  not  deep-drain  the 
battery.  In  addition,  unlike  Ni-Cad  batteries, 
lead-acid  cells  do  not  have  a  "memory" 
problem,  which  after  a  while  reduces  the 
batteries'  capability  to  recharge  to  full 
capacity,  resulting  in  markedly  reduced 
operating  time 

Because  of  the  regulator's  low  drop-out 
characteristic,  it  is  well  suited  for  use  with 
a  6V  lead-acid  battery.  The  combination 
minimizes  power  loss  and  therefore 
maximizes  conversion  efficiency,  resulting 
in  considerable  size  and  weight  savings, 
particularly  i 


A  unique  characteristic  of  the  leaa-acia 
battery  is  that  it  requires  a  constant  voltage 
source  to  charge  as  opposed  to  a  current 
source  charger  for  Ni-Cad  batteries. 
Consequently,  the  same  voltage  regulator 
design  as  in  Figure  2  can  be  used.  The 
battery  requires  a  higher  charging  voltage 
of  7.3V  so  that  it  can  be  left  float-charging 
indefinitely  to  maintain  a  full  charge  A 
voltage-mode  charging  scheme  also  allows 
easy  implementation  of  a 
compensation  circuit  to  achieve  i 
charging  efficiency. 

For  lead-acid  batteries,  the  charging 
efficiency  decreases  as  the  battery 
temperature  increases.  Since  charging  and 
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Figure  3.  Comparing  a  Regulator  Load  Recovery  Between  a  Slower  OP-90(a)  and  a 
Wider  Bandwidth  OP-20(b).  The  Top  Trace  Is  the  Control  Signal  to  the  Dynamic  Load, 
Shown  for  Timing  Reference.  The  Middle  Trace  Shows  the  Transient  Recovery  When  a 
Step  Current  From  No  Load  to  150mA  Is  Applied.  The  Bottom  Trace  Shows  the  Output 
When  a  Step  Change  From  a  DC  750mA  to  9O0mA  Occurs. 


ambient  environment  can  increase  the 
battery  temperature,  a  longer  than  expected 
charging  time  occurs.  Applying  a 
temperature-dependent  charging  voltage 
that  has  a  coefficient  of  -2.5mV/°C/cell 
speeds  up  charging. 

lb  implement  a  charging  circuit  that  has 
this  temperature  coefficient,  the  previously 
mentioned  temperature  output  of  the 
REF-43  is  utilized  as  shown  in  Figure  4. 
Its  temperature  output  pin  (pin  3),  whose 
output  impedance  is  quite  high,  is 
necessarily  buffered  with  a  unity  gain 
amplifier.  This  pin  normally  outputs  a  DC 
voltage  of  630mV  at  room  temperature,  with 
a  temperature  coefficient  of  +1.9mV/°C. 
This  voltage  is  summed  into  the  error 
amplifier  that  otherwise  regulates  at  an 
output  voltage  of  7.3V.  Because  of  phase 
inversion,  the  temperature  coefficient  of 
+1.9mV/°C  is  converted  to  a  -2.5mV/°C 
at  the  regulated  output  by  ratio  of  the 
68.1kQ  and  the  two  voltage  divider 
resistors.  To  be  sure  the  temperature  is 
being  measured  accurately,  it  is  necessary 
for  the  REF-43  to  be  in  direct  thermal 
contact  with  the  battery  body. 

Current-Limiting  Options 

Because  lead-acid  batteries  are  capable 
of  many  amperes  of  current  output  for  short 
periods  of  time,  a  short-circuit  can 
potentially  damage  the  cell  by  overheating. 
In  addition,  it  is  not  a  good  idea  to  allow 
a  deep  discharge,  as  it  reduces  the  charge 
capacity  during  subsequent  recharges.  A 
simple  current-limiting  circuit  can  provide 
the  necessary  protection.  Two  alternative 
arrangements,  easily  implemented  into  the 
circuits  of  Figure  1  or  Figure  2,  are  shown 
in  Figure  5.  To  simplify  the  schematics  the 
reference  voltage  circuit  is  omitted.  ' 

The  first,  and  simplest,  is  a  constant 
current  limiter  using  a  transistor  acting  as 
a  threshold  switch,  plus  a  current  sense 
resistor  and  a  pull-up  resistor.  During 
normal  operation,  the  regulator  load 
current  develops  less  than  the  0.6V 
threshold  voltage  across  the  0.6Q  sense 
resistor  that  is  necessary  to  turn  on  the 
PNP  transistor.  Therefore  normal  voltage 
regulation  ensues.  However,  as  the  load 
current  exceeds  the  threshold  of  about 
1.1A,  which  develops  more  than  0.6V 
across  the  sense  resistor,  the  PNP  transistor 
begins  to  draw  current  and  thus  pull  up  the 
gate  voltage  which  prevents  the  MOSFET 
from  passing  more  current.  In  this  manner 
the  PNP  will  maintain  the  current  at  the 
limit  level,  to  the  extreme  point  where  the 
regulator  output  voltage  begins  to  drop. 
Since  only  a  low  level  of  PNP  collector 
current  is  required,  the  transistor  need  only 
be  a  general-purpose  type,  such  as  a 
2N3905. 

Although  simple  in  implementation, 
there  is  a  serious  drawback  with  this  design. 
During  normal  operation,  the  load  current 
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which  is  in  series  with  the  pass  element. 
In  effect,  this  0.45V  reduces  the  drop-out 
"headroom"  by  the  same  amount,  which  is 
a  serious  drawback  in  a  low  drop-out 
design. 

The  second  alternative  is  shown  in 
Figure  5b.  Although  it  costs  a  bit  more 
circuitry,  it  is  far  better  in  terms  of 
preserving  the  low  drop-out  feature  Instead 
of  a  0.6Q  sense  resistor,  a  lower  0.1  Q 


out  voltage  by  0.11V,  which  is  far  more 
tolerable  than  the  0.66V  in  the  other 
circuit. 

The  limit  threshold  voltage  is  set  up  by 
the  voltage  divider  at  the  noninverting 
input  of  the  current  limit  detector/amplifier. 
Sensing  is  done  by  the  sense  resistor  plus 
the  second  voltage  divider.  If  the  threshold 
limit  is  not  reached,  the  inverting  input  has 
a  higher  voltage  than  the  noninverting 
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Figure  4.  Lead-Acid  Battery  Requires  Simple  Regulated  Voltage  Charging  Circuit. 
Optimum  Charging  Efficiency  Can  Be  Achieved  by  Providing  a  Temperature  Sense  and 
Compensation.  Charging  Voltage  Has  Temperature  Coefficient  of  -  2.5mV/°C/Cell. 

input,  causing  the  current  limit  amplifier 
output  to  go  low,  reverse-biasing  the  diode, 
thus  opening  the  amplifier  loop.  Normal 
voltage  regulation  ensues.  Once  a  0.11V  is 
developed  across  the  sense  resistor,  which 
is  the  threshold  of  the  current  limit,  the 
amplifier  output  rises  to  close  the  loop.  Its 
low  output  resistance  drives  the  gate  of  the 
MOSFET  pass  element  high  to  maintain 
the  current  limit.  This  design  preserves  a 
low  drop-out  voltage  that  is  critical  to  an 
efficient  power  system. 
Even  though  constant  curren 


the  power  MOSFET  transistor  in  order  to 
prevent  it  from  being  damaged  under  a 
sustained  short-circuit  condition.  That  is, 
although  the  output  current  is  limited  to 
1.1A,  a  short  circuit  forces  nearly  6V  across 
the  power  MOSFET  causing  it  to  dissipate 
6'/2W. 

Foldback  current  limiting  can  be  used  to 
eliminate  the  need  for  a  heat  sink. 
Fortunately,  such  a  feature  comes  free  with 
the  design.  By  moving  the  previously 
described  current  limit  sensing  circuit  from 
the  input  side  of  the  MOSFET  to  the 
output  side  as  shown  in  Figure  6,  foldback 
current  limiting  action  results.  The  current 
limiting  action  initially  works  the  same  way 
as  previously  described.  The  foldback 
action  kicks  in  as  the  current  limit  of  1.1A 
is  reached,  the  output  voltage  begins  to 
drop,  pulling  the  threshold  voltage  on  pin 
6  down  proportionally.  As  it  drops,  less  and 
less  voltage  is  needed  across  the  sense 
resistor  to  trip  the  threshold.  In  effect,  the 
regulated  current  "folds"  back  as  the 
output  voltage  drops.  For  example,  when 
the  output  drops  to  IV,  the  output  current 
drops  to  about  0.2A. 

The  significance  of  this  design  is  that  the 
power  MOSFET  is  called  on  to  dissipate 
less  than  1W  instead  of  more  than  6W  of 
power  when  in  short  circuit  The  worst-case 
dissipation  is  indeed  2W  when  the  output 
is  three  volts  and  the  load  current  is  0.65A. 
This  reduces  heat  sink  size  and  improves 
operating  reliability.  Thus  the  design 
achieves  all  objectives  of  small  size,  low 
power  and  safe  operation. 
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Figure  5.  Two  Alternate  Methods  of 
Implementing  Current  Limiting.  Method 
A(a)  Is  Simpler  But  Has  Poor  Drop-Out 
Characteristic.  Method  B(b)  Is  Preferred 
Because  It  Preserves  Low  Drop-Out 
Features. 


Figure  6.  By  Moving  the  Current  Limiting  Circuit  to  the  Output  Side  of  the  Regulation 
Loop,  a  Foldback  Effect  Is  Achieved.  As  the  Output  Voltage  Drops,  the  Output  Current 
Also  Drops,  Reducing  Power  Dissipation  in  the  Power  MOSFET  Device. 
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Resolver-to-Digital  Conversion  — 
A  Simple  and  Cost  Effective 
Alternative  to  Optical  Shaft  Encoders 

pulse  is  generated  synchronously  with  A  and  B  as  the 
shaft  rotates  through  zero.  Incremental  encoders  usually 
produce  these  pulses  from  photo-electric  devices,  which 
udes  them  from  use  in  radiation  hazardous  areas 


INTRODUCTION 

Ever  since  man  invented  the  wheel,  we  have  wanted  to 
know,  with  varying  degrees  of  accuracy  the  position  of 
that  wheel.  This  measurement  of  angular  position  is  a 
craft  that  has  been  refined  through  the  ages  and  acceler- 
ated as  production  and  control  methods  have  become 
more  sophisticated.  Most  forms  of  motive  power  finish 
with  a  rotating  shaft,  the  most  popular  example  being  the 
electric  motor,  and  even  linear  motion  is  produced  by 
mechanically  converting  that  rotary  motion  with  screw 
threads,  cranks,  etc.  The  basis,  therefore,  of  most 
mechanical  positioning  systems  is  the  measurement  of 
the  shaft  angle.  The  Greeks  taught  us  many  centuries  ago 
how  to  deduce  position  from  angles,  today's  computing 
power  just  allows  us  to  make  the  deduction  more  quickly. 

Angular  and  linear  measurement  -  encoders  and  resol- 
vers  .  .  .  to  a  digital  output. 

There  are  fundamentally  two  alternatives  open  to  the  de- 
signer when  it  comes  to  choosing  the  type  of  angular 
transducer,  each  with  its  particular  characteristics.  I  shall 
describe  the  alternative  so  that,  what  I  consider  are  the  ad- 
vantages of  a  resolver,  can  be  better  understood. 

Encoders  fall  into  two  groups,  incremental  and  absolute. 
Incremental  encoders  simply  count  the  passing  of  a  divi- 
sion of  the  circle  and  give  pulsed  outputs  that  allow  you 
to  store  that  count  and  know  its  direction  of  rotation.  This 
is  known  as  the  A  Quad  B  output  system  illustrated  in  Fig- 
ure 1,  the  direction  is  deduced  from  the  occurrence  of  the 
edges  of  the  A  and  B  pulse  trains.  An  "A"  0  to  1  transition 
occurs  before  a  "B"  transition  with  one  direction  of  rota- 
tion and  vice  versa  for  the  opposite  rotation.  A  datum 


such  as  may  be  required  by  military  and 
applications. 

Two  disadvantages  of  incremental  encoders  are  that  the 
position  is  not  known  on  "power  up"  and  electrical  inter- 
ference can  cause  false  counts. 

Absolute  encoders,  as  their  name  implies,  give  a  parallel 
digital  output  that  is  generated  from  a  pattern  that  is  on 
a  rotating  disc  attached  to  the  shaft.  The  sensors  used  can 
be  electrical  contacts  or  a  photo-electric  system.  Various 
codes  are  available,  binary  and  Gray  being  the  most 
popular.  Very  high  resolutions  and  accuracies  are  avail- 
able, 16  bits  (20  arc  seconds)  and  beyond.  These  are  at 
very  high  cost,  $1000's,  and  have  the  problem  of  parallel 
data  transmission  if  the  encoder  is  remote  from  the  meas- 
uring electronics. 

Probably  one  of  the  major  reasons  for  the  use  of  encoders 
is  that  it  is  obvious  how  they  work  and  they  give  a  digital 
output.  Resolvers  on  the  other  hand,  area  little  less  under- 
stood and  the  conversion  appears  complex.  Recent  ad- 
vances in  our  conversion  techniques  and  manufacturing 
technology  makes  application  so  simple  that  a  complete 
understanding  becomes  less  important. 

The  resolver  is  a  rotating  transformer  whose  output  ana- 
log voltages  are  uniquely  related  to  its  input  shaft  angle. 
It  is,  therefore,  an  absolute  position  transducer  with  0  to 
360°of  rotation. 

The  resolver  as  an  angle  measurement  transducer  has  a 
number  of  advantages.  Firstly,  the  resolver  is  a  robust 
mechanical  device  that  can  withstand  severe  environ- 
ments of  dust,  oil,  temperature,  shock  and  radiation.  Sec- 
ondly, being  a  transformer  it  provides  signal  isolation  and 
a  natural  common-mode  rejection  of  electrical  interfer- 
ence. This  feature  coupled  with  the  fact  that  only  four 
wires  are  necessary  for  the  angular  data  transmission, 
makes  it  unique  in  angle  measurement  and  ideally  suited 


Figure  7. 
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to  the  harsh  world  encountered  in  the  heavy  manufactur- 
ing and  aerospace  industry.  Today,  brushless  resolvers 
are  available  that  have  no  slip  ring  connections  to  the 
rotor,  which  greatly  increases  their  life  and  reliability. 
The  resolver  can  be  positioned  where  the  angle  needs  to 
be  measured  and  the  electronics  can  be  positioned  where 
the  digital  output  needs  to  be,  in  the  card  frame  with  the 
processor. 

There  are  two  methods  of  using  a  resolver  to  obtain  out- 
put voltages  related  to  the  shaft  angle. 

In  the  first  method  the  rotor  winding  (Figure  2)  is  excited 
by  an  alternating  signal  and  the  output  is  taken  from  the 
two  stator  windings.  As  the  stator  windings  are  mechani- 
cally disposed  at  right  angles,  the  output  signal 
amplitudes  are  related  by  the  trigonometric  sine  and 
cosine  of  the  shaft  angle.  Both  the  sine  and  cosine  output 
signals  have  the  same  phase  as  the  original  excitation  sig- 
nal, only  their  amplitudes  are  modulated  by  sine  and 
cosine  as  the  shaft  rotates. 

The  second  method  of  obtaining  an  output  signal  unique- 
ly related  to  shaft  angle  is  to  excite  the  two  stator  wind- 
ings. When  the  two  stator  windings  are  excited  by  two  al- 
ternating signals  that  are  in  phase  quadrature  to  each 
other,  then  a  voltage  is  induced  in  the  rotor  winding 
whose  amplitude  and  frequency  are  fixed  but  whose 
phase  varies  with  shaft  angle.  Consider  Figure  2.  When 
the  shaft  aligns  the  rotor  winding  R,R2  with  the  stator 
windings  the  rotor  output  signal  will  be  at  a 

maximum  of  the  0°  phase  excitation  signal.  When  the 
rotor  windings  RtR2  align  with  the  stator  windings  S2S4 
the  output  signal  will  be  at  a  maximum  of  the  90°  phase 
excitation  signal.  At  angles  between  these  two  positions, 
the  phase  of  the  output  signal  will  vary  linearly  with  angle 
from  0°  to  90°  phase.  By  rotation  of  the  shaft  through  the 
full  360°,  the  phase  of  the  output  rotor  signal  will  itself 
vary  from  0°  through  90°,  180°,  270°  to  360°,  i.e.,  back  to 
0°  phase. 


RESOLVER  WINDINGS 


Figure  2. 

DIGITAL  CONVERSION 

Most  intelligent  robots  and  numericaly  controlled 
machine  tools  use  digital  computers  as  the  calculation 
and  memory  element  of  the  system.  Therefore,  in  order 
that  the  computer  understands  the  situation,  all  the  an- 

*Footnote:  The  circle  is  divided  into  360  degrees,  it  is 
then  further  subdivided  into  minutes  and  seconds.  So  that 
minutes  and  seconds  of  arc  were  not  confused  with  min- 
utes and  seconds  of  time,  the  subdivisions  are  always  re- 
ferred to  as  arc  minutes  and  arc  seconds.  Sixty  arc  sec- 
onds =  1  arc  minute.  Sixty  arc  minutes  =  1  degree. 


gles  being  measured  must  be  translated  into  digital 
words. 

In  order  to  fully  appreciate  the  advantages  of  the  tracking 

resolver-to-digital  converter,  it  is  necessary  to  understand 

the  major  alternatives. 

OR  •  YAW  ' 
Apart  from  the  tracking  converter,  there  are  two  other 

methods  of  conversion  widely  used  in  industry.  Both 

methods  have  some  severe  weaknesses  as  the  demands 

of  industry  for  high  accuracy  increases. 

The  alternatives  to  the  tracking  converter  have  until  now 
been  cost  effective,  however,  with  the  improvements  in 
our  techniques,  the  cost  of  the  converter  has  reduced  to 
the  point  that  many  users  are  making  a  reappraisal  and 
switching  to  the  tracking  converter. 

The  most  widely  used  method  at  the  present  time  is  the 
method  known  as  the  "Phase  Analog  Technique".  This 
method  adopts  the  mode  of  stator  winding  excitation  by 
two  signals  in  phase  quadrature  shown  in  Figure  3.  In 
order  to  measure  the  shaft  angle,  accurate  measurement 
of  the  phase  of  the  rotor  signal  with  respect  to  the  excita- 
tion signal  is  necessary.  A  block  diagram  of  such  a 
scheme  is  shown  in  Figure  3. 
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Figure  3. 

In  essence,  the  time  interval  between  a  zero  crossing  of 
the  sine  or  0°  excitation  signal  and  the  zero  crossing  of  the 
rotor  signal  is  measured  (see  Figure  4).  This  is  done  by 
counting  the  numbers  of  pulses  from  the  original  refer- 
ence clock  oscillator  that  occur  between  the  two  zero 
crossings.  By  varying  the  division  ratio  between  the  refer- 
ence clock  oscillator  and  the  two  excitation  generators, 
the  resolution  to  which  this  measurement  is  made  can  be 
varied. 
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Figure  4. 
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This  division  ratio  has  little  effect  on  accuracy  as  that  is  de- 
termined by  the  accuracy  to  which  the  zero  crossing  inter- 
vals can  be  measured.  The  first  and  most  obvious  source 
of  error  is  the  electrical  noise  generated  by  the  environ- 
ment of  the  resolver  causing  noise  on  the  rotor  signal 
which  makes  the  zero  crossing  point  become  indetermi- 
nate. The  second  and  more  subtle  source  of  error  comes 
from  variations  in  the  excitation.  Any  variation  of  the  rela- 
tive amplitudes  or  phases  of  the  two  excitation  signals  di- 
rectly influences  the  phase  of  the  output  signal.  As  most 
systems  use  a  square  wave  clock  with  integrated  circuit 
dividers,  very  precise  filtering  of  the  signals  is  required  to 
obtain  the  pure  sinusoidal  signal  necessary.  Such  accu- 
rate filters  are  complex  and  it  is  difficult  to  obtain  a  good 
temperature  versus  phase  coefficient.  Any  harmonic  dis- 
tortion of  either  or  both  the  excitation  signals  will  also  af- 
fect the  phase  of  the  rotor  signal.  The  summation  of  all, 
these  errors  limit  the  accuracy  of  the  "Phase  Analog"  ap- 
proach to  about  10  bitsor21  arcmins. 

The  second  most  widely  used  method  of  resolver-to-digit- 
al  conversion  method  is  a  sampling  technique.  There  are 
many  variations  of  this  technique,  however,  in  essence, 
they  all  make  a  sample  of  the  sine  and  cosine  output  sig- 
nals of  a  rotor  excited  resolver.  The  sample  of  the  signal 
amplitudes  is  taken  at  a  peak  of  the  reference  input 
amplitude  and  converted  to  digital  signals  by  an  A/D  con- 
verter. The  resulting  digital  words  are  used  as  a  memory 
address  to  "look-up"  the  shaft  angles  in  a  processor. 

The  difficulties  with  such  an  apparently  simple  method 
comes  from  its  total  inability  to  deal  with  noise.  If  a  noise 
disturbance  occurs  on  the  signal  lines  at  the  time  of  sam- 
pling, then  a  wrong  answer  results.  If  the  noise  only  re- 
sults in  a  single  wrong  reading,  then  the  frequency  pass 
band  of  the  servomotor  drive  system  acts  as  a  filter  and 
little  error  results.  If,  however,  the  noise  is  severe,  then  the 
errors  can  become  unacceptable. 

TRACKING  RESOLVER-TO-DIGITAL  CONVERISON 

The  tracking  conversion  techniques  used  in  all  our  con- 
verters overcomes  all  the  difficulties  experienced  by  the 
other  methods.  The  new  1S  series  of  converters  in  par- 
ticular compete  with  the  other  methods  cost  wise  and  yet 
provide  superior  accuracy,  noise-immune  operation.  The 
basic  method  of  operation  and  connection  is  shown  in 
Figure  6. 

A  tracking  converter  operates  ratiometrically,  that  means 
that  it  is  only  concerned  with  the  ratio  of  the  sine  and 
cosine  outputs  of  a  rotor  excited  resolver.  As  the  resolver 
acts  as  a  transformer,  any  excitation  waveform  distortion 
or  amplitude  variation  appears  in  the  correct  ratio  on  both 
sine  and  cosine  and  has  little  effect  on  accuracy.  A  track- 
ing converter  contains  a  phase  demodulator  and  there- 
fore frequency  variation  and  incoherent  noise  do  not  af- 
fect accuracy.  Tracking  converters  can  operate  with  any 
reference  excitation  from  square  waves  to  triangular 
waves  with  only  minor  accuracy  variation.  Common- 
mode  rejection  is  achieved  by  the  natural  isolation  of  the 
resolver,  this  combined  with  the  integration  of  the  track- 


ing loop  makes  an  ar 
with  excellent  noise  in 


angular-to-digital  conversion  system 
s  immunity. 

As  a  tracking  converter  uses  an  internal  servo  system  that 
contains  integration  in  the  control  loop,  there  is  little  de- 
gradation of  accuracy  even  at  high  input  revolution  rates 
up  to  more  than  40,000  revs  per  minute. 

APPLYING  THE  RESOLVER  AND  TRACKING 
CONVERTER 

The  most  common  misapprehension  about  resolvers 
concerns  their  working  voltages  and  frequencies. 

As  the  resolver  is  a  linear  transformer  in  which  the  pri- 
mary winding  rotates  inside  the  secondary  windings,  it 
behaves  as  a  normal  transformer.  There  is  a  transforma- 
tion ratio  that  is  fixed  within  certain  frequency  limitations 
specified  by  the  manufacturer.  The  rotor  excitation  or  ref- 
erence input  can  be  varied  to  give  the  stator  output  volt- 
ages that  are  required  to  be  directly  connected  to  the  con- 
verter inputs. 

Variation  of  the  reference  frequency  can  cause  changes  in 
the  phase  angle  between  the  stator  rotor  or  signal  outputs 
and  the  reference  or  rotor  input.  As  the  tracking  converter 
is  tolerant  to  both  phase  and  amplitude,  often  no  correc- 
tion is  needed.  However,  when  using  the  1S64  or  1S74 
series  of  converters  which  provide  a  high  quality  velocity 
signal  in  addition  to  the  digital  position,  it  is  essential  that 
the  phase  shift  is  zero.  This  can  be  achieved  by  selecting 
the  appropriate  frequency,  or  using  a  resistor/capacitor 
phase  shift  network  on  the  converter's  reference  input. 
(See  also  section  "Maximum  Lead  Length  Between  Resol- 
ver and  Converter".) 

REFERENCE  FREQUENCY 

Converter  tracking  rate,  that  is  the  maximum  speed  up  to 
which  the  input  angle  can  be  followed  by  the  converter, 
is  related  directly  to  the  reference  frequency. 

A  rotor  excited  resolver  when  rotating  gives  an  output 
that  is  a  modulated  carrier  signal. 

VSi53  =  Sina^tVnSino^t 

where  VR  =  peak  reference  voltage 

w,  =  reference  frequency  in  radians/sec. 

ci>2  =  shaft  rotational  frequency  in  radians/sec. 

In  order  to  convey  the  information  <o,  must  always  be 
greater  w2- 

REFERENCE  OSCILLATOR 

We  currently  offer  a  hybrid  power  oscillator,  OSC1758, 
which  is  capable  of  supply  1.4VA. 

The  OSC1758  is  in  fact  in  two  sections  namely  an 
oscillator  and  a  power  amplifier.  They  are  separately 
accessible. 

The  frequency  of  the  device  is  determined  by  two 
capacitors  C1  and  C2. 

Remember  that  the  tracking  conversion  technique  is  very 
tolerant  on  amplitude  and  frequency  stability  and,  there- 
fore, any  drift  in  the  capacitors  will  not  unduly  affect  the 
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Figure  5. 

accuracy  or  performance  of  the  overall  system.  However, 
it  is  suggested  that  high  grade  silver  mica  capacitors  are 
used  with   a  temperature  coefficient  of  less  than 


resolver  is  shown  in 


50ppm/°C. 

Connection  to  a  1 
FigureB. 

From  the  above  it  can  be  seen  that  the  drive  requirement 
is  well  within  the  capability  of  the  OSC1758  and  that 
many  more  resolvers  could  be  powered  from  the  same 
source  when  multichannel  angular  measurements  are 
necessary. 

MAXIMUM  LEAD  LENGTHS  BETWEEN  RESOLVER  AND 
CONVERTER 

The  question  is  often  asked  as  to  the  maximum  length  of 
lead  between  the  resolver  and  the  converter. 

The  answer  is  that  this  distance  can  be  very  long  indeed 
providing  the  following  simple  precautions  are  taken. 

1.  It  can  be  shown  mathematically  that  as  long  as  the 
phase  shift  between  Sine/Cosine  and  Reference  sig- 
nals is  zero,  the  additional  errors  due  to  capacitive  ef- 
fects of  the  interconnecting  lead  will  be  zero.  The 
phase  shift  can  be  zero'd  either  by  selecting  the  fre- 
quency at  which  zero  phase  shift  occurs  across  the  re- 
solver  or  by  introducing  a  phase  lead  or  lag  into  the  ref- 
erence input  to  the  converter. 

Simple  phase  lead  and  lag  circuits  are  shown  below. 


PHASE  LEAD 


Lead  =  ARC  TAN  -  

2iifRC 


where  f  is  the  frequency. 
PHASE  LAG 

•  I.-.* auoivcu'  leo/n  bft%!ciii erlT  .'.wiuasem  ad  nc: 

^W^-£  TOR,, 


Lag  =  ARC  TAN  2-irfRC 
2.  Ensure  thatthe  reference  frequency  is  such  that: 

1 

2-irfcL 


is  greater  than  X  where: 
f  =  reference  frequency 


,  —  .V..v,^VVH«»'JV, 

c  =  Lead  capacitance  per  metre  of  the  cable. 
L  =  Distance  between  resolver  and  converter  in 


metres. 


X  =  The  reactive  component  of  the  resolver  output 
impedance. 

3.  Ensure  that  the  attenuation  of  the  signal  (sine/cosine) 
does  not  lower  the  voltage  appearing  at  the  inputs  to 
the  converter  by  less  than  10%  of  the  nominal  voltage 


specmea. 

4.  Use  individually  screened  twisted  pair  leads  for  sine, 
cosine  and  reference  signals.  On  four-wire  output  re- 
solvers  driving  into  converters  which  have  only  a 
"Sine",  "Cosine",  and  "A  GND"  input,  the  common 
connection  should  be  made  at  "A  GND"  on  the 
converter. 

Provided  that  the  above  precautions  are  followed,  it  is 
possible  to  transmit  the  angular  data  hundreds  of  metres 
without  loss  of  accuracy  and  with  the  very  considerable 
advantage  of  high-noise  immunity. 

CONCLUSION 

The  objective  of  this  note  was  to  indicate  the  simplicity 
and  advantages  of  using  resolvers  in  the  cost  effective 
measurement  of  the  position.  While  such  measuring  de- 
vices are  used  within  sophisticated  control  systems,  re- 
commendations beyond  the  digital  interface  are  outside 
our  brief  as  a  component  manufacturer,  except  that  we 
recognize  that  they  exist  and  have  requirements  of  the 
transducer  systems.  To  this  end,  we  offer  the  best  per- 
formance we  can  and  publish  with  our  data  the  Transfer 
Functions  and  dynamic  specifications  that  allow  system 
designers  to  calculate  our  converter's  performance  within 
theircontrol  circuits. 


Figure  6. 
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Dynamic  Characteristics  of  Tracking  Converters 


It  is  easy  to  get  confused  by  the  terms  used  to  describe  the 
dynamic  performance  of  tracking  resolver-to-digital 
converters: 

"What  is  the  bandwidth  of  this  converter?" 

"Acceleration  constant*.  -  what  does  that  tell  me  about 
the  performance?" 

"I  want  to  increase  the  resolution,  how  will  that  affect 


by  Mark  Thomas 

ill 

where  all  transient  signals  have  decayed),  and  in  the  par- 
ticular case  of  the  Type  2  system,  the  steady-state  error  is 
zero  for  both  a  stationary  input  signal  and  a  constantly 
varying  (constant  velocity)  input  signal.  The  only  time 
when  the  error  signal  is  present  is  during  periods  of  accel- 
eration or  deceleration. 


the  tracking  rate?' 


The  aim  of  this  application  note  is  to  give  a  simple  expla- 
nation of  the  meaning  of  the  dynamic  characteristic 
specifications,  and  to  explain  their  particular  relevance  in 
the  case  of  synchro-  and  resolver-to-digital  converters. 

All  synchro/resolver-to-digital  converters  manufactured 
by  Analog  Devices  utilize  a  Type  2  tracking  loop  in  order 
to  convert  the  analog  input  signal  into  a  digital  output 
signal. 

Examination  of  the  block  diagram  of  a  typical  converter 
will  reveal  that  it  essentially  consists  of  six  circuit  ele- 
ments connected  in  a  loop;  these  being  the  Control  Trans- 
former (Sine/Cosine  Multipliers),  Error  Amp,  Phase  Sensi- 
tive Detector,  Integrator,  Voltage  Controlled  Oscillator 
and  Up/Down  Counter.  The  purpose  of  the  converter  is  to 
produce  a  digital  representation  of  the  input  (analog)  sig- 
nal. It  is  a  closed-loop  control  system. 

All  closed-loop  control  systems  can  be  classified  accord- 
ing to  the  nature  of  their  steady-state  errors  (i.e.,  the  state 


The  advantage  of  using  a  Type  2  loop  is  that  the  digital 
output  will  always  represent  the  analog  input  (within  the 
device  accuracy  specification)  under  the  conditions  of  a 
stationary  input  and  also  a  constantly  varying  (constant 
velocity)  input,  i.e.,  there  is  not  velocity  lag. 

When  considering  the  dynamic  performance  of  the  con- 
verter, the  key  specifications  which  will  be  of  interest  to 
the  system  designer  will  usually  be  found  under  the  head- 
ing "Dynamic  Characteristics";  the  specifications  being 
Bandwidth,  Acceleration  Constant,  Reference  Frequency, 
Tracking  Rate,  Velocity  Scaling,  Settling  Time  and  Resolu- 
tion. Let  us  look  at  each  of  these  in  turn. 

Bandwidth 

Being  a  Type  2  tracking  loop,  the  converter  is  essentially 
a  second  order  low  pass  filter.  It  has  a  predictable  dynam- 
ic response,  the  critical  frequency  and  damping  character- 
istics being  set  by  the  values  of  the  components  which 
make  upthe  loop. 

Until  very  recently,  the  bandwidth  of  the  converters 
has  been  set  by  the  designer  and  could  not  be  varied 
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by  the  user.  This  meant  that  the  user  could  not  optimize 
the  performance  of  the  device  in  order  to  suit  the 
system  requirements.  However,  with  the  release  by  Ana- 
log Devices  of  the  monolithic  converter,  the  user  can,  for 
the  first  time,  optimize  the  bandwidth  and  other  dynamic 
characteristics. 

The  bandwidth  of  the  converter  indicates  the  small  signal 
response  of  the  loop,  and  is  shown  diagrammatically  on 
the  data  sheets  as  a  plot  of  gain  and  phase  against 
frequency. 

The  plots  show  how  the  converter  will  respond  if  a  small 
signal,  sinusoidally  varying  about  a  fixed  point,  is  applied 
to  the  input  of  the  device.  It  is  important  to  stress  that  the 
gain  and  phase  plots  only  indicate  the  response  of  the  de- 
vice to  small  changes  in  the  input  signal;  the  sinusoidally 
varying  signal  must  not  cause  saturation  in  any  compo- 
nent part  of  the  loop,  and  will  in  general  have  a  maximum 
amplitude  of  about  5  degrees.  The  output  from  the  con- 
verter will  also  be  a  small  signal,  sinusoidally  varying 
about  a  fixed  point;  the  gain  and  phase  relationship  be- 
tween the  input  and  output  signals  are  shown  on  the 
plots.  The  frequency  axis  refers  to  the  frequency  of  the 
sinusoidally  varying  input  signal,  and  not,  it  should  be 
stressed,  to  the  frequency  of  the  reference  carrier.  The 
bandwidth  figure  quoted  for  the  converter  is  defined  as 
the  frequency  of  the  sinusoidally  varying  input  signal,  at 
the  point  where  the  device  has  a  gain  of  -  3dB.  For  exam- 
ple, in  the  case  of  the  1S74  hybrid  converter,  the 
bandwidth  quoted  on  the  data  sheet  is  230Hz.  If  we  apply 
a  sinusoidally  varying  input  signal  with  a  maximum 
amplitude  of  1  degree,  oscillating  at  230Hz  about  a  fixed 
point,  we  should  observe  a  sinusoidally  varying  output 
signal,  with  a  maximum  amplitude  of  about  0.7  degrees 
(1/V2x  1  degland  lagging  by  almost  90  degrees. 

Both  the  bandwidth  and  the  transfer  function  from  which 
it  is  derived,  are  calculated  specifications  based  on  the  in- 
dividual transfer  functions  of  the  component  parts  of  the 
converter  loop.  They  allow  the  system  designer  to 
evaluate  the  frequency  response  of  the  converter  and,  in 
combination  with  the  other  components  of  the  system, 
the  frequency  response  of  the  overall  system.  The  effect 
of  increasing  the  bandwidth  istoallowtheconverterto  re- 
spond to  faster  (higher  frequency)  small  changes  in  the 
input  signal;  hence,  the  response  time  is  shorter.  How- 
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ever,  an  increasing  bandwidth  also  leads  to  an  increase  in 
the  susceptibility  to  noise,  as  the  higher  frequency  noise 
signals  come  into  the  range  of  frequencies  "seen"  by  the 
converter  (remember  that  the  converter  is  effectively  a 
low  pass  filter).  One  of  the  major  detrimental  effects  of 
this  increase  in  the  susceptibility  to  noise,  is  the  appear- 
ance of  the  noise  on  the  analog  velocity  output  signal. 

Acceleration  Constant  (Ka) 

This  parameter  specifies  the  ability  of  the  converter  to 
withstand  and  track  input  accelerations.  It  is  specified  in 
the  data  sheet  with  the  dimension  of  "/sec2"  and  is  de- 
fined as: 

_  Input  Acceleration 
a  ~  Error  in  Output  Angle 

Once  the  Ka  is  known,  the  acceleration  is  defined  in  any 
units,  e.g.,  with  a  Ka  equal  to  227,555  /sec2,  we  can  im- 
mediately see  that  there  will  be  1  arc  minute  of  additional 
error  for  an  input  acceleration  of  227,555  arc  min/sec2,  or 
1  degree  of  additional  error  for  an  acceleration  of  227,555 
degrees/sec2. 

However,  the  acceleration  figure  quoted  in  the  specifica- 
tion is  not  the  maximum  acceleration  which  the  converter 
can  withstand.  This  maximum  figure  is  governed  by  the 
maximum  allowable  output  swing  of  the  internal  error 
amplifier.  If  this  maximum  acceleration  is  exceeded,  then 
the  digital  output  will  irrecoverably  lose  track  with  the 
input.  In  general,  the  maximum  acceleration  will  be 
reached  when  the  error  between  the  input  and  digital  out- 
put is  approximately  5  degrees.  Therefore,  a  converter 
can  withstand  an  acceleration  in  deg/sec2  of  about  five 
times  Ka  value. 

Reference  Frequency 

In  general,  the  higher  the  bandwidth  of  the  converter,  the 
higher  is  the  required  reference  frequency,  which  will  also 
result  in  a  faster  possible  tracking  rate  and  shorter  settling 
time.  The  only  limitations  on  the  maximum  frequency  the 
reference  can  have  are  the  limits  set  by  the  components 
used  in  the  converter  loop.  All  converters  have  options 
available  which  will  function  with  a  2.6kHz  reference  fre- 
quency, and  many  hybrids  can  operate  up  to  10kHz  refer- 
ence. The  new  monolithic  converters  will  function  with  a 
reference  frequency  fo  20kHz.  In  order  for  the  demod- 
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ulator  to  reject  higher  order  multiples  of  the  reference  fre- 
quency, the  reference  frequency  of  the  converter  should 
be  at  least  2.5  times  the  closed-loop  bandwidth;  hence, 
possible  bandwidth  is  limited  by  reference  frequency 
used. 

Tracking  Rate 

This  is  defined  as  the  maximum  angular  speed  for  which 
the  converter  output  will  be  able  to  keep  track  with  the 
converter  input.  It  should  be  noted  that  the  tracking  rate 
figure  quoted  in  the  data  sheet  actually  indicates  the 
guaranteed  minimum  limit  to  a  range  of  tracking  rates  ac- 
ceptable to  the  converter.  This  converter  will,  therefore, 
keep  track  in  both  directions  with  inputs  varying  from  sta- 
tionary up  to  the  tracking  rate  figure  quoted  in  the  data 
sheet.  However,  due  to  component  tolerances  within  the 
converter  loop,  the  maximum  limit  of  this  tracking  rate 
range  may  well  exceed  the  figure  quoted,  and  can  vary 
from  device  to  device.  The  higher  the  reference  frequency 
at  which  the  converter  is  intended  to  operate,  then  the 
higher  will  be  the  maximum  possible  tracking  rate.  How- 
ever, the  actual  limit  for  the  maximum  tracking  rate  is  set 
by  the  integrator  and  Voltage  Controlled  Oscillator  (VCO). 

The  maximum  recommended  rate  for  the  VCO  sets  the 
maximum  possible  tracking  rate  for  the  converter,  e.g.,  if 
the  maximum  recommended  VCO  rate  is  1  MHz,  then  with 
a  12-bit  converterthe  maximum  possible  tracking  rate  will 
be  set  a  1 ,000,000/4096  revs/sec. 

The  input  to  the  VCO  is  obtained  from  the  output  of  the 
integrator,  and  so  the  maximum  voltage  swing  available 
at  the  integrator  output  will  also  limit  the  maximum  track- 
ing rate.  In  general,  if  the  power  supply  rails  are  lowered, 
the  maximum  voltage  swing  available  from  the  integrator 
will  be  lowered  and  the  maximum  possible  tracking  rate 
will  also  decrease.  (N.B.  this  does  not  happen  in  all  con- 
verters.) Signal  voltage  levels  which  are  outside  the 
specified  limits  for  the  converter  will  also  degrade  the 
dynamic  performance,  and  the  overall  accuracy  of  the 
device. 

Velocity  Scaling 

Closely  linked  to  tracking  rate  is  the  scaling  of  the  analog 
velocity  signal  output.  The  VCO  rate  is  fixed  for  a  given 
input  current  by  the  VCO  scaling  factor  which  relates  the 
VCO  output  frequency  to  the  input  current.  The  input  cur- 
rent is  scaled  by  the  velocity  scaling  resistor  which  is  set 
bythemanufacturerforthe  majority  of  converters. 


However,  in  the  case  of  the  monolithic  converters,  the 
value  of  this  velocity  scaling  resistor  may  be  selected  by 
the  user,  allowing  the  velocity  output  to  be  scaled  down 
to  suit  the  user's  requirements. 

Settling  Time 

If  a  step  input  is  applied  to  the  converter,  a  finite  time  will 
be  required  for  the  internal  loop  to  null  and  produce  the 
required  digital  output.  In  all  the  data  sheets,  the  settling 
time  is  given  as  the  time  required  for  the  converter  to  set- 
tle within  1LSB  of  the  quoted  accuracy  in  response  to  a 
step  input  of  179  degrees  (i.e.,  the  worst  possible  case). 
Therefore,  this  specification  gives  an  indication  of  the 
large  signal  response  of  the  converter. 

Atypical  settling  time  curve  for  steps  of  less  than  179  de- 
grees is  shown  below. 


It  can  be  seen  that  for  step  inputs  within  approximately  5- 
10  degrees,  the  response  is  linear,  and  can  be  derived 
from  the  small  signal  response  of  the  converter  (i.e.,  see 
bandwidth).  Beyond  this  region,  the  internal  error  voltage 
will  exceed  the  linear  range  of  the  converter. 

Resolution 

The  VCO  output  clocks  the  up/down  counter;  therefore, 
for  a  given  VCO  output  rate,  increasing  resolution  will 
lead  to  a  lengthening  of  the  settling  time  of  the  output  bits. 
The  converters  available  have  either  a  10-,  12-,  14-  or  16- 
bit  output  resolution,  or  in  particular  cases,  the  resolution 
may  be  varied  to  have  any  of  these  four  output  resolu- 
tions. Increasing  the  resolution  from  N  to  N  +2  bits  will 
lead  to  a  factor  of  4  decrease  in  the  tracking  rate  and  an 
increase  in  the  settling  time. 
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AN-265 
APPLICATION  NOTE 


Circuit  Applications  of  the  AD2S81 A  and  AD2S80A 
Resolver 


by  Hitesh  Patel 


This  application  note  discusses  some  useful  circuit  appli- 
cations of  the  AD2S80A  and  the  AD2S81A  monolithic  re- 
solver-to-digital  converters. 

It  does  not  discuss  the  basic  operation  or  specifications  of 
either  of  the  two  converters;  this  information  may  be 
found  in  the  data  sheets.  The  following  applications  are 
discussed: 

1 .  Interfacing  to  High  Voltage  Synchros  and  Resolvers 

2.  Connecting  the  Converter  to  a  15VSupply 

3.  Using  the  AD2S80A  as  a  Control  Transformer 

4.  Using  the  Converters  with  External  Pitch  or  Revolution 
Counters 

5.  Simulating    an    Incremental    Encoder    Using  the 
AD2S80AorAD2S81A 

6.  Connecting  Inductosyns*  to  the  Converters 

7.  Using  the  AD2S81A/AD2S80A  to  Build  a  Two  Speed 
Coarse/Fine  System. 

The  AD2S81 A  is  a  12-bit  tracking  R/D  converter  packaged 
in  a  28-pin  ceramic  DIP.  The  converter  can  track  signals  at 
rates  up  to  260  revolutions  per  second.  Users  can  set  the 
dynamic  performance  of  the  converter  with  external  com- 
ponents, providing  greater  flexibility  in  tailoring  the 
AD2S81 A  to  su  it  system  requ  irements. 
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The  AD2S80A  is  a  monolithic  variable  resolution,  10-,  12-, 
14-  or  16-bit  tracking  R/D  converter  packaged  in  a  40-pin 
DIP.  The  AD2S80A  offers  accuracy  up  to  2  arc  mins 
±1LSB  and  velocity  linearity  output  of  1%  at  25°C.  The 
resolution  and  the  dynamic  performance  of  the  AD2S80A 
can  be  set  by  the  users  to  suit  their  own  system  require- 
ments. 

1.  INTERFACING  TO  HIGH  VOLTAGE  SYNCHROS  AND 
RESOLVERS 

a. 

Transformers  are  often  used  to  step  down  a  higher  volt- 
age signal  to  a  lower  voltage  signal.  An  additional  advan- 
tage provided  by  using  a  transformer  in  this  mode,  is  that 
it  provides  true  isolation  for  the  electronics  from  the 
resolver  and  other  systems  that  may  be  attached  to  the 
resolver. 

The  5S70  series  of  signal  input  transformers  are  ideal  for 
use  with  the  AD2S80A/AD2S81A  converters.  They  accept 
all  the  standard  synchro  and  resolver  signal  voltages  and 
give  the  2V  rms  signal  output  required  by  the  monolithic 
converters. 

Similarly  the  5S72  transformer  enables  the  reference 
input  of  the  AD2S80A/AD2S81 A  to  be  isolated  and  accept 
higher  voltages  than  the  standard  2V  rms.  Figure  1  shows 
the  circuit  connections  required  when  the  5S70  and  the 
5S72  transformers  are  used  with  the  AD2S80A  or 
AD2S81A. 
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Figure  1.  Connecting  5S70  and  5S72  to  Either  AD2S80A  or  AD2S81A 


Inductosyn  is  a  registered  trademark  of  Farrand  Industries,  Inc. 
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aara  outputs  otthe  resolvertothe  required  input  voltage 
on  the  converter  or  by  using  external  resistors  to  scale  the 
input  voltages. 

The  reference  and  signal  inputs  to  either  the  AD2S80A  or 
AD2S81A  may  be  scaled  using  external  resistors  to  accept 
higher  voltages  than  2Vrms.  Let  us  assume  that  the  signal 
and  reference  inputs  are  at  A  V  rms,  where  A>2  V  rms. 
Figure  2a  shows  how  two  external  resistors  can  be  used 
as 

a  potential  dividerto  scale  the  reference  input. 
The  value  of  R1  and  R2  should  be  chosen  such  that: 

R1  ...  (A- 2) 
R2  2 

Absolute  resistor  values  are  not  critical  and  should  be 
chosen  in  the  kO  range. 


Figure  2a.  Scaling  Reference  Input  with  External 
Resistors 

It  is  not  important  that  the  absolute  value  resistors  calcu- 
lated for  the  reference  input  is  used.  The  nearest  value 
resistors  available  to  the  calculated  values  can  be  used. 

A  V  RMS  R3 
COS  SCG  o  vw 


COS  W  ~* 


TO 

AO2S80/VAD2S81« 


NOTE:  GND  FOR  2S81A  IS  "AGND"  PIN  AND  GND  FOR 

Figure  2b.  Scaling  Signal  Inputs  with  External 
Resistors 

Figure  2b  shows  how  the  signal  inputs  can  be  scaled 
using  external  resistors. 

In  the  above  external  resistor  network,  R3  and  R4  should 
be  chosen  such  that: 


R3^(A-2) 
R4  2 


where  R3  and  R4  are  in  the  kfl  range. 


p§  =  p§       It  is  importantthatthis  RATIO  IS  EQUAL. 

R5  and  R6  should  also  be  in  the  kfl 


Gain  Error  of  Resistors  in  ppm  =  Emr  jn  arc  sec 

1.  e.,  1%  gain  error  results  in  16.7  arc  min. 

It  is  also  advisable  that  the  converter  outputs  be  checked 
for  input  angle  of  45  degrees  and  the  resistor  values  ad- 
justed accordingly  if  required. 

2.  USING  THE  CONVERTER  WITH  15V  SUPPLY 

The  AD2S80A/AD2S81A  operates  from  a  ±  12V  supply.  In 
order  to 
operate  it  from  a  ±15V  supply  requires  stepping  down 
from  ±  15V  to  ±  12V.  This  may  be  done  using  the  circuit 
shown  in  Figure  3a. 


range. 


Figure  3a.  Circuit  for  Connecting  the  Converter  to 
±  15V  Supply  Requiring  Velocity  Reversion  Error 
Trimming 

The  transistors  and  the  Zener  diode's  combined  tempera- 
ture coefficient  compensates  for  VCO  rate  temperature 
coefficient  and  wi II  ensure  a  sufficiently  accurate  1 2V  sup- 
ply to  the  converter  over  the  full  operating  temperature 
range. 

The  —  12V  supply  is  derived  using  the  +  12V,  an  amplifier, 
transistor  and  resistors.  The  amplifier  is  used  in  negative 
feedback  mode  with  resistor,  R1,  and  a  variable  poten- 
tiometer, R2.  One  of  the  benefits  of  deriving  the  -12V  in 
such  a  way  is  that  it  allows  trimming  of  the  reversion  error 
on  the  velocity  signal  using  the  potentiometer. 

The  reversion  error,  or  side-to-side  nonlinearity,  of  the  ve- 
locity output  is  a  result  of  differences  in  the  up  and  down 
rates  of  the  VCO  in  the  converter.  The  sensitivity  of  the 
VCO  rate  to  -  12V  depends  on  the  direction  of  the  rota- 
tion; therefore,  the  reversion  error  can  be  reduced  by  var- 
ying the  magnitude  of  -  12V.  By  trimming,  it  is  possible 
to  achieve  a  reversion  error  of  less  than  1%. 

An  alternative  to  the  above  circuit  which  does  not  require 
the  amplifier  is  shown  in  Figure  3b.  This  circuit  may  be 
used  if  the  effect  of  reversion  error  on  the  velocity  signal 
can  be  tolerated.  The  reversion  error  trim  can  still  be 
included  by  replacing  R0  with  a  Ikft  potentiometer, 
but  it  will  be  more  sensitive  to  supply  and  temperature 
variations. 
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up  to  12V.  Figure  4  shows  the  circuit  connections  required 
to  operate  the  AD2S80A  as  a  control  transformer. 

To  operate  the  AD2S80A  as  a  tracking  resolver-to-digital 
converterthe  DATA  LOAD  pin  should  be  left  unconnected 
as  it  is  pulled  high  internally. 


 o  -Vs 


A' sin  ut 
RESOLVER " 


NOTE 

IF  R0  IS  REPLACED  BY  A  lk!l  POTENTIOMETER,  IT  CAN 
BE  USED  TO  TRIM  THE  REVERSION  ERROR  OF  THE 
VELOCITY  SIGNAL. 

Figure  3b.  Connecting  the  Converter  to  ±  15V  Supply 

3.  USING  THE  AD2S80A  AS  A  CONTROL 
TRANSFORMER 

The  ratio  multiplier  section  of  the  AD2S80A  can  be  used 
independently  to  the  rest  of  the  converter  to  perform  the 
function  of  Control  Transformer.  In  this  mode  the  signal 
from  the  resolver  inputs,  6,  is  compared  to  a  digital  angle, 
<t>,  loaded  into  the  counters.  Any  difference  between  these 
two  angles  results  in  an  analog  voltage  at  the  AC  ERROR 
OUTPUT.  To  use  the  device  in  this  manner  the  DATA 
LOAD  pin  is  used. 

Applying  a  logic  "low"  to  the  DATA  LOAD  pin  will  allow 
data  to  be  loaded  into  the  counters  of  the  converter  from 
the  data  lines.  It  is  important  that  the  data  lines  are  placed 
in  the  high  impedance  state  before  pulling  the  DATA 
LOAD  pin  "low".  A  logic  "high"  on  the  enable  input  main- 
tains the  output  data  pins  in  the  high  impedance  condition 
and  a  logic  "low"  presents  the  data  in  the  latches  to  the 
output  pins. 

A  switch  or  an  open  collector  logic  gate  should  be  used 
to  apply  a  logic  "low"  to  the  DATA  LOAD  pin  because 
when  it  is  in  the  "high"  state  the  pin  is  internally  pulled 
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Figure  4.  Using  the  AD2S80A  as  a  Control  Transformer 


4.  USING  THE  CONVERTERS  WITH  EXTERNAL  PITCH  OR 
REVOLUTION  COUNTERS 

Applications  requiring  pitch  or  revolution  counts  of  the  re- 
solver  can  be  easily  done  using  external  counters  and 
gates.  The  input  revolutions  can  be  counted  by  using  the 
RIPPLE  CLOCK  (RC)  and  DIRECTION  (DIR)  logic  outputs 
provided  on  the  AD2S80A/AD2S81  A.  Figure  5  shows  the 
application  circuit  that  can  be  used  to  perform  this  count- 
ing function. 


CLEAR 
(LOGIC 

"LOW"  TO  CLEAR) 


TO  FURTHER 
STAGES  IF 
REQUIRED 


PITCH  COUNT  DATA 

Figure  5.  Circuit  for  Counting  Pitches  or  Revolutions 
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To  transfer  the  data  into  output  latches  on  the  converter, 
it  is  recommended  in  the  data  sheet  that  the  INHIBIT  input 
should  be  used.  The  data  is  valid  1  |xs  afterthe  application 
of  a  logic  "low"  to  the  INHIBIT.  Hence  the  output  latches 
used  in  Figure  5  should  be  enabled  1  m,s  after  the  applica- 
tion of  a  logic  "low"  to  the  INHIBIT  input.  This  will  ensure 
that  if  an  active  BUSY  pulse  is  present  when  the  INHIBIT 
is  applied  it  is  given  time  to  clear. 

5.  SIMULATING  AN  INCREMENTAL  ENCODER  USING 
AD2S80A  OR  AD2S81 A 

Incremental  shaft  encoders  usually  have  two  outputs 
similar  to  the  A  and  B  format,  shown  in  Figure  6.  These 
two  outputs  are  normally  used  to  either  increment  or 
decrement  an  up-down  counter  and  hence  show  the  cur- 
rent shaft  angle  position.  They  are  often  called  A  quad  B 
outputs. 

Where  there  is  a  requirement  for  interfacing  to  circuitry 
requiring  incremental  outputs,  the  monolithic  converters 
can  be  easily  configured  to  provide  this  type  of  output. 
Figure  6  shows  a  circuit  which  can  be  used  to  convert  the 
resolver-to-digital  converter  parallel  digital  output  into 
the  A  quad  B  outputs. 

The  "once  per  revolution"  encoder  marker  pulse  is  sup- 
plied by  the  converter.  An  additional  advantage  of  the  re- 
solver  method  is  that  the  "Direction"  signal  is  automat- 


ically provided.  In  the  case  of  the  encoder  it  would  require 
extra  circuitry  to  derive  it  from  the  A  and  B  waveforms. 
N.B.  Any  of  the  digital  outputs  need  to  be  buffered  if  they 
are  to  drive  capacitive  loads  greaterthan  5pF. 

6.  CONNECTING  INDUCTOSYN  TO  AS2S80 A/AD2S8 1 A 

The  AD2S80A  and  AD2S81A  R/D  converter  with  a 
preamplifier  can  be  used  as  an  Inductosyn-to-digital 
converter. 

Inductosyns  are  similar  in  operation  to  resolvers.  They 
consist  of  two  magnetically  coupled  parts,  a  scale  and  a 
slider.  The  slider  moves  along  the  scale  in  association 
with  the  device  to  be  positioned.  There  are  two  types  of 
Inductosyns  available:  linear  and  rotary  Inductosyns.  In- 
ductosyns are  not  inherently  absolute,  but  it  is  often  suffi- 
cient to  start  from  a  datum  and  keep  track  of  pitches  with 
an  external  counter. 

The  output  signals  from  an  Inductosyn  slider  are  at  a  low 
level  of  the  order  of  millivolts.  These  signals  can  be 
amplified  with  the  hybrid  Inductosyn  preamplifier, 
IPA1764,  to  provide  the  necessary  input  signal  amplitude 
required  by  the  monolithic  converters.  The  hybrid  power 
oscillator,  OSC1758,  can  be  used  to  provide  the  drive  for 
energization  of  the  Inductosyn  track. 
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Figure  6.  Simulating  an  Incremental  Encoder  Using  a  R/D  Converter 
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7.  USING  AD2S80A/AD2S81A  IN  A  TWO-SPEED 
COARSE/FINE  SYSTEM 


Often  it  is  required  to  digitize  the  output  of  a  coarse/fine 
mechanically  geared  synchro  or  resolver  system  or  of  an 
electrically  geared  or  multiple  resolver.  Both  require- 
ments involve  identical  techniques. 

Take  for  example  a  two-speed  mechanical  coarse/fine 
system  with  a  gear  ratio  of  32:1.  The  AD2S80A  and 
AD2S81Acan  be  used  in  this  system  where  the  AD2S80A 
is  used  as  a  fine  converter  and  the  AD2S81 A  is  used  as  the 
coarse  converter.  The  combined  digital  output  will  be  17, 
19  or  21  bits,  depending  on  whether  the  AD2S80A  is  used 
as  a  12-,  14-  or  16-bit  converter.  The  combinational  logic 
required  to  combine  the  coarse  and  fine  converter  out- 


puts is  relatively  easy  to  design.  Figure  8  shows  a  circuit 
which  may  be  used  for  this  application.  The  data  should 
be  read  using  software  if  possible  as  this  will  remove  the 
need  for  sophisticated  timing  electronics. 

For  detailed  explanation  on  designing  the  combinational 
logic  required  for  two-speed  coarse/fine  resolver  sys- 
tems, refer  to  pages  66  to  71  of  the  "Synchro  and  Resolver 
Conversion"  book  published  by  Memory  Devices  (Divi- 
sion of  Analog  Devices  Inc.). 

Alternatively,  the  TSL1612  (available  from  Analog 
Devices)  which  is  a  two-speed  processor  for  coarse/fine 
synchro/resolver  systems  can  be  used  to  provide  the 
combinational  logic.  The  standard  TSL1612  module  is 
available  for  two-speed  systems  with  gear  ratio  of  36:1, 
18:1or9:1. 
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Figure  8.  Two-Speed  (32: 1)  System  Using  the  AD2S80A  and  AD2S81A 
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•  Inductosyns  have  a  90  degrees  phase  shift  built  in  be- 
tween the  reference  and  signal  outputs.  Using  the 
OSC1758  can  overcome  this  problem  as  it  has  two  sig- 
nal outputs,  one  90  degrees  in  phase  advance  with  re- 
spect to  theother. 

•  The  outputs  of  Inductosyns  vary  because  of  the 
mechanical  tolerances  involved  with  them.  Inducto- 


maximum  specified. 

Particular  care  should  be  taken  in  transferring  the  out- 
put signal  from  the  slider  to  the  amplifier  because  of  the 
very  low  amplitude  signals  involved.  Screened  twisted 
pair  cables  should  be  used  between  the  outputs  of  the 
Inductosyn  slider  and  the  amplifier  and  the  outputs  of 
the  amplifier  and  the  monolithic  converter. 
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Figure  7.  Use  of  AD2S80A/AD2S81 A  as  an  Inductosyn-to-Digital  Converter 
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Using  the  2S80  Series  Resolver-to-Digital  Converters  with  Synchros: 
Soiid-State  Scott-T  Circuit 

by  Ma*  Sender 


INTRODUCTION 

The  2S80,  2S81,  and  2S82  are  monolithic,  tracking  con- 
verters that  are  designed  to  interface  to  four-wire 
resolver  format  signals  with  nominal  2  V  rms  ampli- 
tudes. These  devices  can  also  be  used  with  synchro 
format  signals  if  an  external  circuit  is  employed  which 
accomplishes  the  transformation  from  synchro  to 
resolver  format.  Traditionally,  this  conversion  has  been 
accomplished  with  a  Scott  connected  transformer,  com- 
monly referred  to  as  the  Scott-T  transformer  (Figure  1). 

While  a  well  designed  Scott-T  transformer  makes  for  a 
very  simple  galvanically  isolated  synchro-to-resolver 
conversion  system,  the  high  cost  and  large  size  of  trans- 
formers (particularly  when  operating  at  60  Hz)  may 
negate  the  benefits  of  a  monolithic  resolver-to-digital 
converter. 


Figure  1.  Synchro-to-Resolver  Format  Scott  Connected 
Transformer 

If  the  design  does  not  require  the  galvanic  isolation 
intrinsic  to  the  Scott-T  transformer,  a  simple  solid-state 
circuit  like  that  shown  in  Figure  2  can  be  used.  By  using 
precision  resistors  and/or  trimming  the  circuit,  perfor- 
mance can  be  achieved  comparable  with  high  quality 
Scott-T  transformers,  while  realizing  considerable  sav- 
ings in  cost  and  size. 


OP  AMPS  ARE  AD648, 
AD712,  OR  AD713 


Figure  2.  Solid-State  Scott-T  Circuit 
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RESOLVERS  AND  SYNCHROS 

The  resolver  is  an  electromagnetic,  rotational  device  that 
detects  angular  displacement.  An  equivalent  electrical 
representation  and  diagram  of  typical  output  signal  for- 
mats for  a  resolver  are  shown  in  Figure  3.  An  ac  excita- 


tion signal  applied  to  the  primary  (rotor)  is  inductively 
coupled  to  the  secondary  (stator).  The  transformation 
ratios  are  amplitude  modulated  by  the  sin  and  cosine  of 
the  angle  of  the  rotor  relative  to  the  stator. 
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Figure  3.  Electrical  Representation  and  Typical  Resolver  Signals 



The  operation  of  the  synchro,  Figure  4,  is  very  similar  to 
that  of  the  resolver.  The  fundamental  difference  is  that 
the  stator  windings  of  the  synchro  are  connected  in  a 


"Y"  configuration,  spaced  120  degrees  apart,  while  the 
resolver  has  two  isolated  windings  separated  by  90 
degrees. 


R1C 
ROTOI 
R2C 


/WW 

VVw 

Mft/W 

■'vAAAAA/ 

wvw 

wm 

WWWWW 

WW\f 

■ 


180"  270° 


Figure  4.  Electrical  Representation  and  Typical  Synchro  Signals 
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THEORY  OF  OPERATION 

The  solid-state  Scott-T  circuit  illustrated  in  Figure  2  uses 
two  operational  amplifiers  to  transform  a  synchro  for- 
mat signal  into  a  resolver  format.  A  third  amplifier  is 
used  to  provide  a  differential  input  for  the  reference 
signal. 

The  synchro  format  input  voltages  can  be  written  in  the 
form: 

VS3-si  =  KVref  sin  e  (1) 
VS2-S3  =  KVref  sin  (0  + 120°)  (2) 


S2 


KVREF  sin  (0  +240°) 


(3) 


where  K  is  the  transformation  ratio  of  the  transducer  and 
6  is  the  shaft  angle. 

In  the  above  notation,  Vsi_sj  refers  to  voltage  between 
synchro  stator  terminals  Si  and  Sj.  The  order  of  the 
indices  indicates  the  polarity/phase  of  the  signal,  e.g., 
Vs3-si  represents  the  voltage  at  S3  measured  with 
respect  to  S1.  The  above  assume  that  the  reference  volt- 
age applied  across  the  rotor  of  the  synchro  is  of  the 
form: 

VREF  =  VR,-VR2  =  V0  sin  cot  (4) 

The  normal  convention  is  for  R1  to  be  taken  as  the  high 
potential  side  of  the  reference  excitation,  thus  making 
the  quantity  VR1_R2  positive,  i.e.,  for  shaft  positions 
between  0°  and  180°,  VS3_S1  will  be  in  time  phase  with 
VR1_R2.  These  conventions  are  consistent  with  those  of 


MIL-S-20708. 

The  objective  of  the  circuit  is  to  convert  synchro  signals 
to  resolver  format  signals  of  the  form: 

Vs3-s,  =  KV*ef  sin  0     (SIN)  (5) 

VS2-S4  =  K Vref  cos  0    (COS)  (6) 

where  for  a  resolver,  the  reference  voltage  is  taken  as: 

V*ef  =  VR2-VM  =  V0  sin  cot  (7) 

Equations  5,  6,  and  7  are  based  on  the  conventions  used 
in  MIL-R-21530  for  the  case  where  the  reference  excita- 
tion is  applied  across  the  R2-R4  rotor  winding  and  R2  is 
taken  as  the  high  potential  side. 

MIL-R-21530  is  essentially  a  specification  for  a  brush 
type  resolver.  Brushless  resolvers,  typically  with  a  single 
rotor  winding,  may  use  a  different  phasing  convention.  If 
it  is  desired  to  use  this  solid-state  Scott-T  circuit  to  emu- 
late a  brushless  resolver,  the  resolver  manufacturer's 
phasing  equations  should  be  consulted  for  consistency 
with  Equations  5,  6,  and  7.  Different  phasing  conven- 
tions will  result  in  positional  offsets  in  multiples  of  90° 
and/or  sense  of  rotation  reversals. 

The  signal  represented  by  Equation  5  is  directly  satisfied 
by  one  of  the  synchro  signals,  Equation  1.  Operational 
amplifier  A2,  acting  as  a  differential  inverting  buffer, 
inverts  VS,_S3  thus  producing  the  resolver  SIN  signal. 
The  Zener  diodes  on  the  inputs  simply  limit  the  applied 
voltages  to  the  amplifier  to  guard  against  component 


damage.  The  series  input  resistors  may  be  scaled  to 
adjust  the  gain/attenuation  of  the  amplifier. 


uation  6,  can  be  shown  to 
e  signals  in  Equations  2 


VS2-S3  ~  Vsi-S2  =  KV  sin  cot  <sin  [0  +  120°] 

-sin  10  +  240°])  (8) 
Using  the  trigonometric  identity: 

sin  (A  +  B)  =  sin  A  cos  B  +  cos  A  sin  B  (9) 

sin  0  cos  (120)  +  cos  0  sin  (120°) 
0  sin  (240°) 


it  is  then  possible  to  show  that 

sin  (6  +  120°)  -  sin  (0  +  240°) 


1 


=  --sin 


V3 
+  — —  cos  6 


1  V5 
-sm9  +  — —  cos  8 


=  V3cos6  (10) 

Operational  amplifier  A3  is  configured  as  a  differential 
summing  amplifier  and  accomplishes  the  computation 
function: 

VS3-S2  +  Vsi-S2  =  -<VS2-S3  ~  ~  COS  0  (11) 

Since  A3  also  inverts  the  input  signals,  the  output  of  A3 
is  thus  the  resolver  COS  signal. 

The  feedback  resistor,  R2,  and  series  input  resistorsLR3, 
are  chosen  such  that  the  gain  of  the  amplifier  is  1/V3  for 
2  V  rms  inputs  and  scaled  proportionately  for  other  sig- 
nal levels,  i.e., 


R2 
R3 


\/3Vi 


(12) 


Since  it  is  unlikely  that  the  exact  value  of  this  resistor 
ratio  can  be  obtained,  it  is  suggested  to  use  a  slightly 
higher  value  for  R2  and  trim  the  output  to  the  desired 
level  using  the  potentiometer  as  shown  in  Figure  2. 

RESISTIVE  SCALING  FOR  HIGH  VOLTAGE  SYNCHROS 

Since  the  2S80,  2S81,  and  2S82  all  require  nominal  2  V 
rms  input  signal  amplitudes,  it  may  be  necessary  to 
adjust  the  signal  levels  from  the  synchro.  This  can  be 
easily  accomplished  by  adjusting  the  values  of  the  input 
resistors  (R3,  R4)  to  the  op  amps  shown  in  the  sche- 
matic. Note  that  because  the  amplifiers  may  be  operat- 
ing at  less  than  unity  gain,  internally  compensated 
amplifiers  are  recommended  in  order  to  reduce  the  sus- 
ceptibility to  oscillation.  The  AD712  (dual),  AD713 
(quad),  and  AD648  (dual)  are  suggested. 

In  addition  to  galvanic  isolation,  transformer  coupling 
also  significantly  improves  the  common  mode  rejection 
on  the  inputs  to  the  converter.  The  circuit  shown  in 
Figure  2  also  enhances  the  common  mode  rejection  of 
the  system  by  virtue  of  the  differential  amplifier  config- 
uration of  the  circuitry  on  both  the  reference  and  signal 
inputs.  As  with  any  differential  amplifier,  the  common 
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TFie'Jfab'le~below  summarizes  suggested  values  of  the 
resistors  in  the  circuit  for  various  standard  synchro  volt- 
ages. The  values  indicated  are  standard  values  for  pre- 
cision (1%  or  better)  resistors.  The  last  entry  in  the  table 
gives  generalized  formulae  for  the  resistor  values  as  a 
function  of  an  arbitrary  signal  voltage.  In  addition, 
please  note  that  the  value  of  R4  may  differ  in  the  signal 
and  reference  differential  amplifier  circuits  (e.g.,  an 
11.8  V  signal  synchro  is  often  excited  at  26  V  rms). 


Signal  Voltage  (V  rms) 
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115  (REF  only) 

11K 
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R 
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CIRCUIT  ACCURACY 

The  accuracy  of  the  solid-state  Scott-T  circuit  is  deter- 
mined primarily  by  the  accuracy  of  the  resistors.  While 
absolute  values  are  not  critical,  the  resistors  should  be 
matched  in  pairs  on  the  inputs  to  the  operational  ampli- 
fiers in  order  to  obtain  maximum  accuracy.  Typically, 
0.1%  or  better  tolerance  values  are  best. 
■ 


case,  tne  use  ot  resistor  networks  may  offer  significant 
cost  and  size  reductions. 

If  0.1%  tolerance  resistors  are  used,  the  angular  errors 
introduced  by  the  solid-state  Scott-T  circuit  will  range 
from  2  arc  minutes  (typical)  to  7  arc  minutes  (maxi- 
mum). This  is  additional  error  which  must  be  added 
to  the  accuracy  specification  of  the  converter  in  a 
worst  case  analysis.  Substantially  better  accuracy 
is  achievable  through  the  use  of  matched  pairs  and/or 
networks,  as  the  angular  errors  are  proportional  to  resis- 
tor inaccuracies. 

If  the  necessary  precision  resistors  can  not  be  obtained, 
it  is  suggested  that  the  gain  of  the  COS  circuit  in  Figure  2 
be  increased  by  increasing  the  value  of  R2.  The  output  of 
the  circuit  may  then  be  attenuated  using  a  potentiometer 
so  that  its  gain  is  precisely  matched  to  that  of  the  SIN 
circuit. 


I  '    «-•"<  i'  • 
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Passive  Component  Selection  and  Dynamic  Modeling 

Resolver-to-Digital  Converters 


by  Mark  L.  Schirmer 


The  2S80  series  of  resolver-to-digital  converters  are  unprecedented  in  their  flexibility.  This  is  a  direct 
result  of  the  use  of  external  passive  components  to  set  the  dynamic  characteristics  of  the  converter. 
This  software  package  simplifies  the  computation  of  the  values  of  these  components.  In  addition,  the 
closed  loop  transfer  function  and  step  responses  (positional  and  velocity)  can  be  computed  and 
graphically  displayed.  The  software  also  allows  for  component  values  to  be  adjusted  and  the 
resulting  impact  on  the  converter  dynamics  modeled. 

The  software  can  be  used  as  a  design  tool  for  all  options  of  the  following  devices:* 

AD2S80A     Variable  Resolution, 

Monolithic  Resolver-to-Digital  Converter  (DIP) 

AD2S81A     Low  Cost, 

Monolithic  12-Bit  Resolver-to-Digital  Converter 

AD2S82A     Variable  Resolution, 

Monolithic  Resolver-to-Digital  Converter  (PLCC) 

AD2S83      Variable  Resolution,  . 
Monolithic  Resolver-to-Digital  Converter  with  High  Quality  Velocity  Output 

The  user  needs  only  to  specify  the  reference  frequency  and  the  desired  digital  resolution  for  the 
converter.  Optionally,  values  for  the  tracking  bandwidth  and  maximum  tracking  rate  may  be  entered, 
otherwise  default  values  may  be  accepted.  Throughout  the  software,  simple  on-line  help  screens  are 
offered  minimizing  the  need  to  reference  the  component  data  sheet  and/or  program  documentation. 

•This  software  is  also  applicable  to  the  earlier  generation  2S80,  2S81,  and  2S82.  Please  see  item  3  under  "STARTING 
THE  PROGRAM"  on  page  2. 
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SYSTEM  REQUIREMENTS 

•  IBM  PC/XT/AT/  PS/2,+  or  "Compatible"  Running  MS-DOS*  Version  2.0  or  Higher 

•  256K  RAM  Available  Memory 

•  Graphics  Display/Adapter  (Monochrome,  CGA,  MCGA,  EGA,  VGA,  or  Hercules) 

•  1  Floppy  Disk  Drive  (5.25"  360KB  Format) 

•  8087/80287/80387  Math  Coprocessor  Recommended  (Not  Required) 


STARTING  THE  PROGRAM 

1.  Boot  up  the  PC  with  MS-DOS. 

2.  Insert  the  supplied  floppy  disk  into  a  360KB  5.25"  drive. 

3.  From  the  DOS  prompt,  type  "n:AD2S80"  followed  by  <Enter>  (<Return>  on  some  keyboards) 
where  "n"  is  the  drive  address.  For  example,  if  the  PC  was  booted  from  drive  C:  and  the  software 
is  installed  on  drive  A:,  the  user  would  enter: 

C:>  A:AD2S80       followed  by  <Enter> 

4.  The  opening  screen  of  the  program  should  now  be  displayed: 
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COMPONENT  SELECTION  FOR  2S80  SERIES  RES0LVER  TO  DIGITAL  CONVERTER 
Version  3.1 
(c)  ANALOG  DEVICES.    INC.  1992 


Press  <Enter>  to  Continue 


5.  Press  <Enter>  to  move  to  model  #  selection  screen. 

If  the  message  "Sorry  ...  No  Graphics  Card  Recognized"  is  displayed,  one  of  the  graphics 
adapters  listed  in  SYSTEM  REQUIREMENTS  was  not  found.  Your  hardware  will  have  to  be 
ured  in  order  to  run  the  software. 


displays/ 
reconfig- 


RUNNING  THE  PROGRAM 

Press  the  <Enter>  key  to  clear  the  opening  screen  and  move  to  the  passive  component  selection 
procedure. 

NOTE:  <Ctrl>  +  <Break>  may  be  pressed  at  any  time  to  exit  the  program. 

fIBM  PC/XT/AT  and  PS/2  are  trademarks  of  International  Business  Machines  Corp. 
lMS-DOS  is  a  registered  trademark  of  Microsoft  Corporation. 
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If  the  software  is  being  run  on  a  machine  with  either  a  VGA,  EGA,  or  High  Resolution  Monochrome 
(MCGA)  graphics  adapter,  the  prompt  "Disable  Color  in  Graphics  Displays  [Y/N/?]?"  will  be  displayed. 
Entering  a  "Y"  followed  by  <Enter>  will  prevent  large  colored  (or  gray  for  the  MCGA)  areas  from 
being  displayed  so  that  useful  screen  dumps  can  be  made  using  the  PC's  <PrintScrn>  key.  This  is 
necessary  because  some  printers  map  one  or  more  colors  to  black  giving  unpredictable  results. 
Entering  a  "N"  or  pressing  <Enter>  with  no  entry  will  give  normal  color  displays.  Entering  "?"  or  any 
character  other  than  "Y"  or  "N"  will  give  a  help  screen.  Please  note  that  the  GRAPHICS  statement 
from  DOS  must  be  executed  prior  to  running  the  software  in  order  to  enable  graphics  screen  dumps. 

-■!..  v  t -no'j'MUT  istansiT  &too> 

PASSIVE  COMPONENT  SELECTION 

In  response  to  the  prompts,  the  following  values  should  be  entered  followed  by  <Enter>: 

i.  Reference  Frequency 

ii.  Closed  Loop  Bandwidth 

iii.  Resolution  -  (Enter  12  bits  for  the  2S81) 

iv.  Maximum  Tracking  Rate 

v.  Value  of  Resistor  R1 


In  the  case  of  parameters  i.  and  iii.,  pressing  <Enter>  with  no  entry  will  display  a  context  sensitive 
"Help"  screen.  For  parameters  ii.,  iv.  and  v.,  pressing  <Enter>  with  no  entry  will  accept  a  default 
value;  the  "Help"  screen  can  be  accessed  by  entering  a  "0"  followed  by  <Enter>.  In  all  cases,  entry 
of  unacceptable  values  will  generate  an  informative  error  message. 

The  correct  values  for  the  passive  components  given  the  input  parameters  specified  will  be  displayed 
in  a  tabular  format  as  shown  below. 


PASSIVE  COMPONENT  VALUES  FOR  2S80  SERIES  RESOLVER-TO-DIGITAL  CONVERTERS 

Reference  Frequency:     1000    Hz  Closed  Loop  Bandwidth:     200  Hz 

Maximum  Tracking  Rate:       62.5  rev/sec    Digital  Resolution:     14  bits 
Small  Signal  Step  Response  Settling  Time:     29.2  ms 


Rl  S 

C2  FITTED 

Rl   i   C2  OMITTED 

R  1- 

24  .0 

Kohm 

N/A 

R  2= 

24.0 

Kohm 

R  2-  100.0 

R  3- 

100.0 

Kohm 

unchanged 

R  4- 

33.0 

Kohm 

R  4-  99.0 

R  5- 

75.0 

Kohm 

unchanged 

R  6- 

56.0 

Kohm 

unchanged 

R  7= 

68.0 

ohm 

unchanged 

C  1- 

6.8 

nF 

C  1>  9.1 

C  2- 

6.8 

nF 

N/A 

C  3> 

9.1 

nF 

unchanged 

C  4- 

9.1 

tit 

unchanged 

C  5- 

43.0 

nF 

unchanged 

C  6- 

470.0 

pF 

unchanged 

Fl  -  Repeat  Selection    F2  -  Transfer  Function    F3  -  Step  Response    F4  -  Quit 
 ^ 

will  give  the  closest  possible  performance  to 
its  are  also  reproduced  in  the  tabular  summary, 
-nations  (R1,  C2,  etc.)  defined  in  the  relevant 


;  values  that 


The  values  listed  are  standard  5%  toler 
the  requirements  input  by  the  user.  These  requirerr 
All  values  are  computed  using  the  procedure  and  i 
component  data  sheet  and  as  detailed  in  the  appendix.  Alternative  values  are  given  for  the  mode 
where  R1  and  C2  are  omitted. 


NOTE: 


The  values  given  for  the  maximum  tracking  rate  and  closed  loop  bandwidth  are  the  same  as 
lput  by  the  user.  These  values  will  be  adjusted  if  the  transfer  function  is  computed  and  found 
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<F4>,  are  available  to  the  user: 

<F1>  Repeat  Passive  Component  Selection  Program  -user  is  prompted  to  reenter  input  parame- 
ters, starting  with  the  reference  frequency. 

<F2>  Compute  Transfer  Function-the  closed  loop  transfer  function  of  the  converter  is  computed 
and  plotted  for  the  component  values  displayed. 

NOTE:  On  PCs  with  slow  clock  speeds  or  without  a  math  coprocessor,  this  computation  may 
take  several  seconds. 

<F3>  Compute  Small  Signal  Step  Response— the  normalized  response  of  the  digital  outputs  to  a 
step  change  in  position  input  is  computed  and  plotted  for  the  component  values  displayed. 

NOTE:  On  PCs  with  slow  clock  speeds  or  without  a  math  coprocessor,  this  computation  may 
take  several  seconds. 

<F4>  Quit-terminates  program  execution  and  returns  the  user  to  the  DOS  prompt. 
TRANSFER  FUNCTION 

The  closed  loop  transfer  function  is  plotted  on  a  logarithmic  grid  and  consists  of  two  curves,  the  Gain 
(in  dB)  and  the  Phase  (in  degrees).  The  resulting  display  should  look  similar  to  the  following: 


ZS80  CLOSED  LOOP  TRANSFER  FUNCTION 


■  OOOKI  R5  = 
1  HELP     2  UflL  3 


100 

Frequency  [Hz] 

75.000K  R6=     56.000K  C4  =     3 . lOOnF  C5=  43.000nF  RES=  14  BITS 
4  PLOT     5  <FREQ  6  FREQ>  7  -GAIN  8  *GflIM  3  STEP     10  QUIT 


The  closed  loop  transfer  function  is  a  measure  of  the  response  of  the  converter  to  dynamic  inputs. 
The  gain  curve  gives  a  measure  of  the  amplitude  response  of  the  converter  digital  output  to  a  small 
signal,  sinusoidally  varying  about  some  fixed  position,  applied  to  the  SIN  and  COS  inputs.  The  phase 
curve  is  a  measure  of  the  temporal  response  of  the  converter,  e.g.,  the  phase  delay  from  converter 
input  to  output.  In  both  cases,  the  frequency  axis  of  the  transfer  function  refers  to  the  frequency  of  the 
sinusoidally  varying  input  signal,  not  to  either  the  rotation  speed  (e.g.,  RPS)  of  the  resolver  or  to  the 
reference 


 quency. 

As  an  example,  consider  a  converter  with  a  200  Hz  closed  loop  bandwidth  as  shown  in  the  preceding 
transfer  function  plot.  If  a  signal  representative  of  a  ±1°  sinusoidally  varying  position,  oscillating  at  a 
200  Hz  rate  about  a  fixed  angle,  is  applied  to  the  converter's  SIN  and  COS  inputs,  we  will  observe  a 
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sinusoidally  varying  output  signal  with  an  amplitude  of  approximately  ±0.7°  (1/V2  x  ±1°),  down  by 
3dB  from  the  input  amplitude.  In  addition,  the  output  variation  will  lag  the  input  by  approximately 
110°  or  1.5  milliseconds  at  200  Hz. 

It  should  be  stressed  that  the  transfer  function  is  valid  only  for  small  variations  in  the  input  signal;  the 
variations  must  not  drive  any  component  of  the  loop  into  saturation.  For  the  2S80  series  of  convert- 
ers, these  variations  should  be  less  than  about  5°. 

Modifying  Passive  Component  Values 

This  portion  of  the  program  will  allow  the  user  to  modify  the  values  of  components  suggested  by  the 
earlier  selection  portion.  The  program  is  controlled  by  the  PC  function  and  cursor  control  keys.  The 
functions  are  as  follows: 

<F1>    Displays  "Help"  screen  summarizing  the  operation  of  the  function  and  cursor  keys. 

<F2>    Displays  the  current  component  values  and  operating  parameters  in  a  tabular  summary 
identical  to  the  first  section  of  the  program. 

<F3>    (Not  Used) 

<F4>    Recomputes  and  displays  the  transfer  function.  This  key  is  normally  used  to  update  the 
graphic  display  after  one  or  more  of  the  passive  component  values  have  been  altered 
through  use  of  the  cursor  control  keys.  If  the  present  graphic  display  does  not  correspond 
to  the  displayed  passive  component  values,  the  message  "PLOT  INVALID:  Press  <F4>" 
will  be  displayed  in  the  upper  left  corner  of  screen. 

<F5>    Adjusts  the  horizontal  scale  (frequency)  of  the  transfer  function  display  by  shifting  1 
decade  to  the  left  (i.e.,  lower  frequencies). 

<F6>    Adjusts  the  horizontal  scale  (frequency)  of  the  transfer  function  display  by  shifting  1 
decade  to  the  right  (i.e.,  higher  frequencies). 

<F7>    Adjusts  the  vertical  scale  of  the  transfer  function  gain  plot  by  shifting  upper  and  lower 
limits  down  by  3  dB. 

<F8>    Adjusts  the  vertical  scale  of  the  transfer  function  gain  plot  by  shifting  upper  and  lower 
limits  up  by  3  dB. 

<F9>    Displays  the  small  signal  step  response  of  the  converter  for  the  selected  component 

values.  Note  that  on  PCs  running  at  low  clock  speeds  or  without  math  coprocessors  this 
computation  may  take  several  seconds. 

<F10>  Terminates  program  execution  and  returns  the  user  to  the  DOS  prompt.  , 

<  1  >    Increases  the  selected  component  value  box  through  its  standard  5%  tolerance  values.  I 

<  I  >    Decreases  the  selected  component  value  box  through  its  standard  5%  tolerance  values. 

<<->    Moves  the  box  indicating  a  selected  component  value  (i.e.,  subject  to  adjustment  with  the 

<  t  >  and  <  4  >  keys)  to  the  left. 

<^>    Moves  the  box  indicating  a  selected  component  value  (i.e.,  subject  to  adjustment  with  the 

<  t  >  and  <  4  >  keys)  to  the  right. 

CAUTION:  Using  this  software,  it  is  possible  to  manipulate  the  component  values  used  with  the  2S80 
series  to  the  extent  that  converter  will  not  function  correctly.  Particular  care  should  be  taken  in 
adjusting  the  resolution  and  the  value  for  R4,  the  series  input  resistor  to  the  integrator.  These  two 
parameters  determine  the  level  of  internal  hysteresis  inside  the  converter  used  to  stabilize  the  least 
significant  bit  (LSB)  for  static  and  low  speed  applications.  Ideally,  the  two  parameters  should  meet 
the  constraint: 

2"  ■  R4  ~  5.5  x  W8  bit-O 

where  R4  is  in  ohms  and  R  is  the  resolution  of  the  converter  (10,  12,  14,  or  16  bits).  Higher  values  of 
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this  product  will  yield  less  hysteresis  possibly  leading  to  flicker  of  the  LSB  at  low  speeds.  Lower 
values  will  give  good  stability  but  compromise  the  repeatability  of  the  outputs. 

sH  C-US  16  ebn.^sjillim  2  r  io  "017 
In  addition,  the  frequency  at  which  the  transfer  function  crosses  -3  dB  (the  bandwidth)  should  be 

compared  with  the  reference  frequency.  If  the  ratio  of  the  reference  frequency  to  the  bandwidth  is 

less  than  about  2.5:1,  the  converter  may  not  be  stable  and  excessive  ripple  may  be  observed  on  the 

analog  velocity  signal. 


STEP  RESPONSE 

The  step  response  of  the  converter  is  a  measure  of  the  response  of  the  output  of  the  converter  to 
instantaneous  changes  in  input  position  applied  to  SIN  and  COS.  Such  conditions  may  occur  in 
multiplexed  systems  or  applications  with  low  inertia  and  high  acceleration.  The  software  has  provi- 
sions for  calculating  responses  of  the  both  the  position  output  and  the  analog  velocity  output  to  steps 
in  input  position.  NOTE:  The  response  of  the  analog  velocity  output  of  the  converter  to  a  velocity  step 
is  exactly  the  same  as  the  response  of  the  position  output  to  a  position  step. 

As  is  the  case  for  the  transfer  function  computation,  the  step  response  models  generated  by  this 
program  are  valid  only  for  small  signal  changes.  For  the  2S80  series,  the  largest  step  that  can  be 
applied  without  saturating  any  of  the  loop  components  is  approximately  10  degrees,  although  the 
model  gives  good  qualitative  predictions  for  steps  up  to  about  20  degrees.  An  example  plot  of  the 
step  response  is  given  below: 
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Both  the  position  and  velocity  step  responses  are  calculated  using  numerical  Fourier  transform 
convolution  techniques  on  the  transfer  function.  Because  of  both  round-off  errors  in  the  PC  and 
limitations  of  the  frequency  of  sampled  data  in  the  computations,  some  artifacts  may  be  introduced 
in  the  step  response.  The  user  should  be  aware  of  the  following: 

1.  If  the  displayed  positional  step  response  does  not  start  at  0%  (0  V  for  the  velocity  step  response) 
and  at  zero  time,  the  total  time  displayed  on  the  horizontal  axis  of  the  plot  is  too  short  to  allow  for 
accurate  computations.  The  user  should  increase  the  total  time  interval  by  pressing  <F6>  [TIME>] 
until  the  response  starts  at  0%  (0  V).  This  will  rescale  the  limits  internal  to  the  calculation  and  result 
in  a  valid  display.  An  example  of  an  improperly  scaled  plot  follows: 
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2.  If  apparent  high  frequency  noise  or  "ringing"  is  observed  on  the  displayed  step  response  curve  for 
long  time  scales,  the  total  time  displayed  on  the  horizontal  axis  of  the  plot  is  too  long  for  accurate 
computations.  The  user  should  decrease  the  total  time  interval  by  pressing  <F5>  [<TIME]  until  the 
response  is  stable  over  the  entire  time  interval.  An  example  of  an  improperly  scaled  plot  exhibiting 


this  problem  is 


below: 
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3.  The  positional  step  response  is  a  relative  calculation,  hence  the  dimensionless  vertical  scale  on  the 
plot.  The  display  shows  the  output  position  as  a  percentage  of  the  magnitude  of  the  input  step.  For 
example,  if  the  input  position  steps  from  15°  to  20°,  the  0%  level  corresponds  to  15°  and  the  100% 
level  to  20°,  the  response  is  normalized  for  the  5°  input  step.  Please  note  that  the  calculation  is  only 
valid  for  steps  less  than  approximately  10  degrees. 
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The  velocity  step  response  vertical  scale  is  relative  with  the  units  [volts/radian]  where  1  ra- 
dian =  57.3°.  In  order  to  estimate  the  velocity  response  of  the  converter  to  an  x  radian  position 
step,  the  readings  should  be  multiplied  by  xto  yield  velocity  values  in  volts.  Please  note  that  the 
actual  velocity  signal  on  the  2S80  series  is  constrained  to  less  than  approximately  ±9  volts.  As  a 
result,  if  the  model  predicts  a  voltage  peak  greater  than  9  volts  for  an  x  radian  step,  the  step  would 
in  practice  actually  drive  the  converter  into  saturation,  thus  invalidating  the  calculation. 
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Modifying  Passive  Component  Values 

As  in  the  case  for  the  transfer  function  computation,  the  step  response  calculation  is  controlled  by  the 
PC's  function  keys.  Their  function  closely  parallels  the  transfer  function  section: 

<F1>      Displays  "Help"  screen  summarizing  the  operation  of  the  function  and  cursor  keys. 

<F2>      Displays  the  current  component  values  and  operating  parameters  in  a  tabular  summary 
identical  to  the  first  section  of  the  program. 

<F3>      If  the  positional  step  response  is  displayed,  this  key  will  compute  and  display  the  velocity 
step  response.  Similarly,  if  the  velocity  step  response  is  presently  displayed,  <F3>  will 
generate  the  positional  step  response. 

Recomputes  and  displays  the  step  response.  This  key  is  normally  used  to  update  the 
graphic  display  after  one  or  more  of  the  passive  component  values  have  been  altered 
through  use  of  the  cursor  control  keys.  If  the  present  graphic  display  does  not  correspond 
to  the  displayed  passive  component  values,  the  message  "PLOT  INVALID:  Press  <F4>" 
will  be  displayed  in  the  upper  left  corner  of  screen. 

Adjusts  the  horizontal  scale  (time)  of  the  step  response  display  by  reducing  the  total  time 
displayed  in  a  5-2-1  sequence. 

Adjusts  the  horizontal  scale  (time)  of  the  step  response  display  by  increasing  the  total  time 
displayed  in  a  1-2-5  sequence. 


<F4> 


<F5> 
<F6> 

<F7>     Adjusts  the  vertical  scale  of  the  step  response  plot: 


Position:  Increases  vertical  range  by  10x  symmetrically  about  100%  to  a  maximum  of 
0-200°/ 


■ 

Velocity:  Increase  vertical  range  by  10x  to  a  maximum  of  ±100  V/radian. 
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<F8>     Adjusts  the  vertical  scale  of  the  step  response  plot: 

Position:  Decreases  vertical  range  by  10x  symmetrically  about  100%  to  a  minimum  of 
99.1-100.1%. 

Velocity:  Increase  vertical  range  by  10x  to  a  maximum  of  ±0.1  V/radian. 

<F9>      Displays  the  closed  loop  transfer  function  of  the  converter  for  the  selected  component 
values.  Note  that  on  PCs  running  at  low  clock  speeds  or  without  math  coprocessors  this 
computation  may  take  several  seconds. 

<F10>    Terminates  program  execution  and  returns  the  user  to  the  DOS  prompt. 

<  f  >      Increases  the  selected  component  value  box  through  its  standard  5%  tolerance  values. 

<  |  >      Decreases  the  selected  component  value  box  through  its  standard  5%  tolerance  values. 

<<^>      Moves  the  box  indicating  a  selected  component  value  (i.e.,  subject  to  adjustment  with  the 
<  t  >  and  <  |  >  keys)  to  the  left. 

*>      Moves  the  box  indicating  a  selected  component  value  (i.e.,  subject  to  adjustment  with  the 


<  t  >  and  <  |  >  keys)  to  the  right. 


APPENDIX 

The  following  gives  the  relevant  equations  on  which  the  calculations  in  this  software  are  based. 
Passive  Component  Selection 

The  program  computes  the  values  for  R1  through  R7  and  C1  through  C6  using  the  following 
equations.  The  closest  5%  tolerance  value  to  that  suggested  by  the  calculation  is  displayed.  More 
detail  on  these  relationships  can  be  found  in  the  relevant  component  data  sheet.  Note  that  all 
resistance  values  are  specified  in  ohms  and  all  capacitances  are  in  farads. 

R1  =  R2  =s  56  kCl 
C1  =  C2  =  — F 

where  fREF  =  Reference  Frequency  [Hz]. 

R3  =  100  kO 

renoittup*  erij  yd  n«vfe  li  1 

C3>- 


105  x  fREF 

The  value  of  R4  depends  on  the  configuration  of  the  HF  filter  between  the  AC  ERROR  output  and  the 
DEMOD  input.  This  filter  may  be  either  a  bandpass  configuration  (R1,  C2  fitted)  or  a  simple  high  pass 
filter  (R1,  C2  omitted). 

If  R1  and  C2  are  fitted,  then: 


5.46  x  1Q8 


R4  —  '  rp — n 


otherwise  with  R1  and  C2  omitted  then: 

1.64  x  109 

R4=  — n 

2r 

where  R  is  the  converter  resolution  (10,  12,  14,  or  16  bits). 
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The  tracking  rate  range  of  the  converter  is  set  by  the  resistor  in  series  with  the  VCO  input  driven  by 
the  integrator  output.  This  resistor  is  a  function  of  the  resolution  of  the  converter  as  follows: 

R6  =  ^^n 

T  x  2 

where  T  is  the  maximum  tracking  rate  in  revolutions/second  [RPS],  and  Fvco  is  the  VCO  rate  in  Hz/A. 

The  bandwidth  selection  components  around  the  integrator  are  chosen  to  yield  an  optimally  damped 
system  (£  =  0.707).  Note  that  indirectly  (by  virtue  of  their  dependence  on  R6)  the  values  of  C4,  C5,  and 
R5  are  function  of  the  resolution  and  maximum  tracking  rate: 

20  2  For  AD2S83,  substitute 

C4  =  L-2-  F 

R6  x  fBW  j« 

C4  = 

C5  =  5  x  C4  "6x  fjw 

4 

*5  =  2x1rxfBWxC5/2 
where  fBW  is  the  closed  loop  bandwidth  [Hz]. 

The  phase  compensation  components  for  the  VCO  input  are  fixed  with  the  following  values: 

C6  =  470pF 
R7  =  68  n 

For  AD2S83,  substitute 

C6  =  390  pF 
C7  =  750  pF 
R7  =  68  n 

The  small  signal  step  response  settling  time  is  approximated  by  the  equation: 

5  R 

Transfer  Function 

The  closed  loop  positional  transfer  function  of  the  2S80  series  is  given  by  the  equations: 

ft  \  =  ®0UT  i  \  =         KAmu)2(1  +s/a>2) 

where 

1 


<x>2 


m  = 


R5xC5 
C4+C5 


C4 

S  =  j(D 

54.6  xf^ 


2KxR4xR6x(C4+C5) 
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Note  that  in  the  previous  equations,  the  transfer  function  is  specified  in  terms  of  angular  frequency 
[radians/second]  rather  than  rotational  frequency  [Hz]. 

The  passive  component  selection  procedure  for  the  2S80  series  is  structured  so  that  the  phase 
margin  of  the  loop  is  maximized  and  the  damping  is  near  optimal.  In  this  instance  the  following 
relations  are  true: 

^  ~  2 

<X>BW  «  4  0)2 

where  KA  is  the  acceleration  constant,  £  is  the  loop  damping  factor,  and  o>BW  is  the  loop  bandwidth.  It 
should  be  observed  that  the  above  relationships  may  not  remain  valid  if  component  values  are 
substantially  altered  from  those  generated  by  the  passive  component  selection  algorithm. 

Step  Response 

The  step  response  of  the  2S80  series  is  given  by  the  inverse  Laplace  transform  of  the  closed  loop 
transfer  function  convolved  with  the  Laplace  transform  of  a  unit  step. 

The  Laplace  transform  and  its  inverse  are  defined  as: 

£{F(t)}  =  As)  =  jestF(t)dt 
o 

£-Hfls»  =  FW  =  je*<«s)ds 


The  transform  of  the  unit  step  is  given  by: 


2-nj 

a-;=c 


£Mt)}  =  l 


This  gives  the  following  expression  for  the  positional  step  response  of  the  2S80  series: 


a  +  /* 

KAmu>2  (1  +  s/<x>2) 


I       1 1    3  + 
P(t)  =  £-,(f(s)-7)=  /   A  ,  s."7 


s4  +  mo)2s3  +  KAms2  +  KAm^2s 

a  -y* 

This  expression  gives  the  response  of  the  position  output  to  a  step  change  in  input  position.  It  should 
also  be  noted  that  the  same  relationship  will  hold  for  the  response  of  the  analog  velocity  signal  to  a 
step  change  in  input  velocity. 
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The  velocity  step  response  (velocity  response  to  position  changes)  is  given  by  a  similar  transforma- 
tion, but  using  the  velocity  transfer  function  for  the  2S80  series.  The  velocity  transfer  function  can  be 
derived  from  the  positional  transfer  function  by  multiplying  by  the  Laplace  variable  s  and  dividing  by 
the  VCO  gain,  Kvco. 


_  2  x  tt  x  F vco  r  rad 


R6  x  2R     |_V  ■  secj 


a  +  J- 


V(t)  =  £  1 —  =        -  5  5  1>  1}  r* 

1  Kvco    s>       J    Kvco  (s  +  mw2s  +  KAms  +  KAm<A2) 

a  -  j~ 

Note  that  the  factor  of  s  introduced  by  the  velocity  transfer  function  is  cancelled  by  the  1/s  term  for 
the  step  function  transform.  This  expression  gives  the  response  of  the  analog  velocity  signal  (in  volts) 
to  a  step  change  in  input  position. 

For  computational  efficiency  and  general  case  applicability,  rather  than  perform  the  integrations 
detailed  above,  the  program  actually  uses  Fast  Fourier  Transform  (FFT)  techniques  to  perform  the 
calculations.  The  results,  however,  are  the  same  as  those  that  would  be  generated  using  the  equa- 


tions  outlined  above. 


■ 
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ABSTRACT 

This  paper  describes  the  implementation  and  architecture  of  an  integrated  circuit ' 
is  dedicated  to  the  role  of  vector  rotation  for  AC  induction  and  DC-Permanent  Mag 
synchronous,  PMSM,  brushless  motors. 

Sampling  time  and  resolution  are  normally  the  factors  which  limit  the  performance  of 
software  control  schemes  in  motor  control.  Now  with  the  ever  increasing  tasks  required 
by  digital  processing  in  motor  control  the  gains  in  performance  are  often  limited  by  the 
additional  software  computation  time  taken  to  achieve  them. 

At  the  other  end  of  the  spectrum  many  control  schemes  only  require  one,  or,  two  vector 
transformations.  In  these  cases  the  choice  of  a  hardware  solution  that  avoids  the  pitfalls 
of  software  intensity  which  either  limits  the  bandwidth  of  control,  or  even  worse,  number 
truncation  which  reduces  the  signal-to-noise  ratio,  can  be  avoided. 

A  new  semiconductor  -  AD2S100  -  that  has  been  developed  and  built  in  concert  with  an 
AC  induction  vector  controller  now  removes  the  time  intensive  task  of  calculating  vector 
coordinate  transformations  in  software  and  realizes  an  extremely  economic  and  efficient 
approach  to  vector  control. 


RESOLVER-TO-DIGITAL  CONVERTERS  16-33 


Tk«  A      I ^ »J . .  — i :  »*-<---,  

Induction  motors  are  often  determined  as  asynchronous  device  when  operating  either 
under  constant,  or,  adjustable  frequency  control.  For  control  purposes  however  the 
induction  motor  can  be  thought  of  as  a  synchronous  brushless  motor  where  the  rotor 
magnets  rotate  in  the  air  gap  between  the  stator  winding  and  the  squirrel  cage  rotor. 

Additionally  the  induction  motor  likens  itself  to  the  DC  brushless  motor  in  that  the  rotor  flux 
interacts  with  current  in  the  stator  to  produce  torque.  Torque  is  maximized  when  the  stator 
current  is  perpendicular,  or  in  quadrature,  with  the  rotor  flux. 

A  fixed  relationship  exists  between  the  rotor  magnets  and  flux  in  a  permanent  DC 
permanent  magnet  motor.  Thus,  by  applying  stator  current  in  time  quadrature  with  the  flux 
optimum  torque  is  achieved. 

The  same  relationship  does  not  hold  for  the  induction  motor,  however.  There  are  two 
components  from  the  modulus  of  stator  current  which  must  be  generated  and  managed  in 
this  motor.  The  first  realizes  the  in-phase  flux  component  while  the  second  concludes  the 
quadrature  torque  component.  Both  currents  hold  no  fixed  natural  phase  relationship  to 
the  shaft  position. 

It  is  the  rotating  magnetic  field  generated  by  the  electromagnets  in  the  induction  motor 
which  constitutes  the  major  control  differentiation  between  the  induction  and  DC  permanent 
magnet  motor. 

The  diagrams  below  aid  this  explanation: 


DC  PERMANENT  MAGNET  MOTOR 


AC  INDUCTION  MOTOR 


MAGNETIC  FIELD  OF 
STATOR  POLE  A1 


BARS 


ROTATING 
.<*   MAGNETIC 

FIELD 


ROTOR 
CONDUCTOR 


Figure  1. 


Figure  2. 
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Figure  1  identifies  a  DC  motor  where  the  armature  winding  is  normally  on  the  rotor  and  the 
field  winding  is  on  the  stator.  Permanent  magnets  mounted  in  the  rotor  interact  with  the 
field  winding  on  the  stator  to  produce  maximum  torque  when  both  sets  of  magnets,  those 
fixed  on  the  rotor  and  the  rotating  magnetic  field,  are  at  ninety  degrees  to  one  another. 

In  contrast  the  armature  winding  of  an  AC  induction  motor  is  associated  with  the  stator. 
The  three  phases  A,  B,  and  C,  on  the  two  pole  motor,  identified  in  figure  2,  create  a  rotating 
magnetic  field  which  follows  the  armature  field  as  it  rotates  around  the  motor.  This  rotating 
magnetic  field  is  a  product  of  the  electromagnets  created  by  the  stator  induced  field 
current  in  the  rotor  bars  of  the  squirrel  cage  rotor. 

AC  induction  motor  control  must  therefore  manage  both  the  flux  and  torque  current 
simultaneously  while  in  the  case  of  the  DC  permanent  magnet  motor  these  can  be 
controlled  independently.  This  is  where  the  necessity  for  vector  control  arise. 

■ 

Applied  Vector  Control 

Three  variables  are  attributed  to  the  torque  component  of  induction  motors.  These  are 
stator  current,  slip  frequency  and  flux.  Vector  control  of  induction  motors  calls  for  the 
independent  control  of  two  of  these  components,  namely,  current  and  slip. 

At  the  simplest  level  of  control  a  configuration  which  identifies  the  application  of  a  vector 
control  block  is  shown  below.  More  complicated  configurations  will  be  discussed  later. 
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Constant  slip  frequency  control  using  a  vector  rotation  block 


Figure  3. 
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Current  and  slip  control  was  pioneered  by  Leonhard  in  1973. 

A  control  strategy  such  as  the  one  depicted  above  results  in  good  torque  control  over  a 
wide  speed  range  and  high  efficiency  of  AC  induction  motors  when  a  constant  slip 
frequency  is  applied  [Jian,  1983]. 

The  optimal  slip  frequency  is  dependent  on  the  rotor  resistance  and  saturation  which 
varies  with  temperature. 

If  it  is  essential  to  maintain  a  constant  torque  at  all  times  the  rotor  slip  should  increase  with 
the  rotor  resistance  and  saturation  [Bossche,  1991]. 

A  position  feedback  device  is  also  required  and  this  can  be  either  a  resolver,  or,  an 
incremental  encoder.  Normally  an  incremental  encoder  featuring  a  line  count  of  1024  is 
adequate  for  the  majority  of  controllers.  In  the  case  of  a  DC  permanent  magnet  motor 
absolute  position  feedback  is  necessary  and  a  resolver  is  the  natural  choice,  here. 

This  form  of  control  may  be  applied  in  applications  where  a  slow  dynamic  response  is 
adequate,  pumps,  fans  and  compressor  for  example,  and  where  optimal  motor  efficiency 
is  important.  This  is  also  the  most  opportunistic  area  for  electricity  cost  reduction 
highlighted  earlier. 

Alternatively  dynamic  control  applications  demand  the  rotor  be  kept  magnetized  in  order 
to  react  to  sudden  changes  in  load  inertia  by  simultaneously  exerting  the  corresponding 
torque  current  requirements.  Normally  for  this  purpose  the  high  dynamic  velocity  and 
position  loops  contain  an  inner  control  loop.  This  inner  loop  is  a  major  contributor  to  the 
overall  performance  of  the  system.  Gain  changes  above  30%  seriously  affects  the  speed 
and  position  performance  of  dynamic  systems  and  is  one  of  the  fundamental  reasons  for 
the  adoption  of  vector  control  algorithms. 

The  key  merits  of  vector  control  have  often  been  stipulated  as 

(1)  High  motor  efficiency  due  to  magnetization  current  control  related 
to  RPM. 

(2)  Constant  torque  over  the  complete  range  of  motor  speed,  inclusive 
of  zero  speed. 

(3)  An  increase  in  the  speed/torque  envelope  due  to  field  weakening 
schemes. 

(4)  Good  velocity  control  under  varying  load  conditions. 

Drawbacks  to  vector  control  schemes  normally  quote  both  economics  and  sampling 
performance  as  deterrents  to  adoption. 

There  is  of  course  a  direct  relationship  between  these  electives.  The  sampling  interval  is 
the  most  critical  element  in  the  application  of  digital  signal  processing  systems  and  one 
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that  has  a  fundamental  bearing  on  the  cost/performance  of  the  controller.  To  preserve  the 
information  in  the  analog  signal  it  must  be  sampled  at  a  rate  that  is  at  least  twice  the  rate 
of  the  highest  frequency  component. 

In  digital  control  systems  the  sampling  rate  is  usually  chosen  to  be  between  8  to  10  times 
the  system  bandwidth. 

Common  sampling  rates  start  at  1  kHz  and  can  reach  up  to  1 00kHz.  However  the  hardware 
used  in  many  motion  controllers  for  factory  automation  limit  the  sampling  frequency  to 
around  2kHz. 

This  has  dramatic  effects  on  system  stability  and  slows  down  the  response  time 
considerably. 

The  complexity  of  the  vector  calculations  normally  carried  out  by  software  is  one 
overriding  reason  why  the  sampling  time  is  reduced.  This  is  not  only  due  to  the  actual 
matrix  multiplication,  which  normally  carries  out  the  Cartesian  to  polar  coordinate 
conversion,  but  also  to  the  "round  off  noise"  caused  by  intermediate  truncation  when 
inadequate  computing  power  is  applied.  A  higher  order  DSP  solution  to  solve  these 
limitations  can  be  implemented  -  but  at  a  cost  which  many  would  be  adopters  have  failed 
to  justify  to  themselves. 

With  the  advance  of  DSP  technology  many  of  these  drawbacks  have  been  overcome. 
However,  there  is  now  more  demands  being  required  from  the  processor  to  achieve 
superior  controller  performance. 

Adaptive  control  to  changes  in  rotor  resistance  and  real  time  diagnostics  with  predictive 
maintenance  routines  that  calculate  fail-safe  control  strategies  are  just  two  tasks  which 
many  drive  designers  would  like  to  see  adopted  as  standard.  These  tasks  sound  futuristic 
but  will  become  a  reality  as  specific  motion  control  computing  devices  become  available. 


A  dedicated  vector  control  IC  -  the  AD2S100  -  is  now  available  to  perform  the  time 
intensive  complex  vector  rotation  calculations.  Control  schemes  that  use  this  semiconductor 
will  be  described  and  the  performance  and  economic  benefits  analyzed 


■ 
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Vector  Math 


As  previously  quoted,  the  main  objective  of  vector  control  is  to  determine  the  torque  and 
flux  constituents  from  the  applied  magnitude  of  stator  current  and  relate  these  currents  to 
the  moving  rotor  reference  frame.  In  many  articles  denoting  these  currents  the  nomenclature 
used  is  "Iqs"  for  torque  current  and  "Ids"  for  the  flux  current.  These  conventions  will  be 
carried  through  here. 

■ 
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Induction  motor  speed  control  by  direct  field  orientation  with  a 
current-controlled  PWM  Inverter. 

Figure  4. 

Figure  4  relates  a  complete  field  oriented  scheme  used  in  adjustable-frequency  induction 
motor  drives.  The  vector  block  identified  will  be  the  topic  of  concern  in  this  section.  The 
scheme  shown  here  is  commonly  known  as  indirect  field  control  due  to  the  fact  that  the 
rotor  flux  position  'p'  is  deduced  from  a  shaft  position  transducer  and  the  slip  frequency 
of  the  rotor. 
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The  rotor  flux  vector  has  an  instantaneous  value  which  is  the  sum  of  the  shaft  angular 
velocity,  com,  and  the  corresponding  slip  angular  velocity,  cos. 

If  we  are  trying  to  determine  the  actual  position  of  the  rotor  flux  vector  cor,  then  the 
following  holds: 

Instantaneous  value  of  rotor  flux  vector  =  car 
Instantaneous  value  of  shaft  angular  velocity  =  com 
Instantaneous  value  of  slip  angular  velocity  =  cos 

cor  =  com  +  cos    1 


also 


 2        *  OOraSQAariT 


cos  =  cor  -  com  -- 

and  is  also  equal  to  scor 

.-.  cos  =  scor  -- 

Where  s  is  the  frictional  slip  of  the  rotor  wit 

The  parameter  cor  is  normally  represe 
on  the  AD2S100  vector  controller. 

The  kernel  of  the  coordinate  transformation  is  the  vector  operator: 


t  to  rotor  flux  vector  cor. 


nd  is  one 


or. 

of  the  input 


ports 


ejG  or  e-j9,  where  eje  =  [  cos6  +  jsinO]. 
It  is  this  operator  which  relates  the  stator  currents  to  the  moving  rotor  reference  frame. 
We  can  describe  the  flux  current  Ids  and  torque  current  Iqs  in  complex  numbers  as: 

ids  +  jlqs 

As  previously  described  these  current  are  the  in-phase  and  quadrature  currents 
respectively. 


If  we  now  want  to  relate  these  currents  to  the  rotor 
used  as  follows: 


jme  referencf 
ids'  +  iqs'  =  [  ids  +  jlqs  ]  [ejG] 


rence  the  vector  operator  is 


if  we  expand  this  we  get: 

[  Ids  +  jlqs  ]  [Cose  +  jSine] 

which  ends  up  as  Ids'  =  IdsCose  +  IqsSine 
and  Iqs'  =  -IdsSine  +  IqsCosG 

The  outputs  Ids'  and  iqs'  are  shown  at  the  output  of  the  vector  control  block.  The  2/3  phase 
block  is  simply  the  conversion  from  sine  and  cosine  signals  to  a  three  phase  120  degree 
representation. 

The  matrix  representation  that  is  used  by  digital  processing  is 

[Ids']  _  ["Cose  -Sine]  [Ids] 
Iqs'  J         LSine        Cose  J  LlqsJ 
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There  are  two  other  points  of  note  in  figure  4  which  relate  to  field  weakening  and  the 
multiplication  of  the  rotor  magnetizing  current,  imr,  and  iqs  at  the  output  of  the  flux  model. 
Field  weakening  is  a  technique  where  the  base  speed  of  the  induction  motor  can  be 
extended  at  a  constant  torque  by  reducing  the  rotor  magnetization  current.  It  also  lowers 
the  problem  of  pulsating  torque  at  low  speeds  but  only  at  the  expense  of  fundamental 
torque,  however. 

The  multiplication  of  imr  and  iqs  is  quite  simply  to  determine  the  actual  motor  torque  T  and 
relate  this  to  the  input  speed  controller  for  compensation. 


Systems  on  Silicon  in  Motion  Control  - 
The  AD2S100  &  2S110 
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The  block  diagrams  above  represent  the  key  elements  of  the  AD2S100  and  AD2S110 
vector  controllers. 


The  prime  difference  between  the  two  components  relates  to  the  position  transducer 
selected.  An  absolute  position  device,  a  resolver,  is  used  with  the  AD2S100  while  the 
AD2S110  accepts  both  an  incremental  encoder  A  quad  B  input  and  serial  absolute 
position  input.  This  serial  absolute  position  input  is  also  generated  by  a  resolver  and  can 
be  converted  by  a  low  cost  resolver  to  digital  convertor  such  as  the  AD2S90. 


General  Product  Description 


These  three-port  device  provide  a  digital  input  port  that  accommodates  the  most  popular 
sensors  used  for  rotor  position  and  velocity  measurement. 

The  parallel  binary  input  on  the  AD2S100  accepts  a  twelve  bit  digital  word  which  is  derived 
from  a  resolver  via  a  resolver  to  digital  converter,  (R/D).  Another  input  form  accepts 
incremental  A  quad  B  signals  from  an  optical  encoder,  (AD2S110). 

In  the  case  of  resolver  based  systems  a  natural  by-product  of  the  type-two  tracking  loop 
conversion  used  in  monolithic  R/D  converters  is  the  availability  of  a  velocity  signal  which 
can  be  used  to  replace  a  tachogenerator. 

An  analog  input  port  which  senses  three  phase  stator  currents,  normally  commuted  by  hall 
effect  devices,  is  shown  at  the  left  side  of  the  vector  controllers  above.  These  real  time 
signals  may  either  be  three  phase  120  degree  separated  signal,  or,  quadrature  sine  and 
cosine  signals. 

These  signals  undergo  the  coordinate  transformation  according  to  the  vector  equations 
previously  disclosed  and  are  then  presented  as  analog  output  in  either  three  phase,  or, 
quadrature  representation.  A  complete  vector  transformation  is  completed  in  two 
microseconds. 

The  partitioning  of  the  input  and  output  sections  allows  these  blocks  to  be  used  either  for 
forward,  or,  reverse  vector  transformations.  The  implementation  is  shown  below. 

I 


-je 


C 

XI 

3  Phase  in  -  3  Phase  out 


Figure  6. 


Additionally  decode  logic  has  been  incorporated  in  the  vector  control  chips  to  allow  a  user 
to  select  only  two  of  three  120  degree  phases  at  the  input.  This  assumes  that  the  sum  of 
the  three  phases  is  zero  and  that  the  third  phase  can  be  deduced  from  the  knowledge  of 
the  other  two. 
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The  AD2S110  hosts  differences  and  additional  functions  which  reflect  the  use  of  an 
incremental  encoder  as  the  rotor  position  senor. 

Inputs  can  in  fact  be  either  absolute  serial  binary  or  incremental  encoder  format.  The 
parallel  digital  port  is  in  fact  an  output  in  this  case.  Here  the  instantaneous  incremental 
position  input  is  represented  as  a  parallel  digital  number  which  can  be  sent  in  that  format 
to  a  peripheral  device.  Two  other  signals,  direction  sense,  and  a  ripple  clock  which  senses 
a  once  per  revolution  marker  are  also  available  as  output  logic  states. 

A  Beta  Site  Evaluation 

Vector  Rotation  Setup 
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The  test  system  used  in  the  evaluation  of  the  vector  control  semiconductor  is  shown 
above.  Two  software  routines  were  implemented.  The  first  refers  to  a  conventional  slip 
regulation  algorithm  which  was  used  for  manual  control  of  the  motor.  An  additional  on-line 
program  was  implemented  to  relate  the  performance  of  the  vector  control  semiconductors 
when  steering  the  control  of  the  motor. 

The  benchmark  performance  of  these  semiconductor  in  the  motor  control  system  shown 
will  be  referred  in  the  presentation  of  this  paper. 
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Circuit  Applications  of  the  AD2S90  Resolver-to-Digital  Converter 

By  Dennis  Shi-hsiung  Fu 


The  AD2S90  is  a  12-bit  resolution  monolithic  resolver-to- 
digital  converter.  It  provides  a  complete  solution  for 
digitizing  resolver  signals  without  using  external  compo- 
nents. The  advantage  of  using  the  AD2S90  over  other 
traditional  R/D  converters  in  the  market  is  that  this  chip 
provides  not  only  absolute  position  data  output  (in  serial 
form),  but  also  standard  A  Quad  B  format  signals.  When 
upgrading  the  incremental  encoder  system  to  a  resolver 
based  system,  this  chip  plus  a  resolver  will  give  out  a 
complete  replacement  solution  without  revising  the  re- 
mainder of  the  system.  The  absolute  position  data  out- 
put gives  additional  useful  information  in  the  upgraded 
system.  The  serial  form  of  the  digital  position  data  is 
especially  suitable  for  long  distance  data  transmission. 

This  application  note  does  not  discuss  the  general  fea- 
tures or  the  basic  operations  of  the  AD2S90;  that  infor- 
mation can  be  found  in  the  data  sheet.  The  following 
applications  are  discussed  in  this  application  note: 

Absolute  position  data  serial-to-parallel  conversion 
Absolute  position  data  EIA-485  communication 
4096  line  incremental  encoder  emulation 

ABSOLUTE  POSITION  DATA  SERIAL-TO-PARALLEL 
CONVERSION 

There  are  many  different  ways  to  perform  AD2S90  abso- 
lute position  data  serial-to-parallel  conversion.  Proper 
digital  timing  can  be  generated  using  microprocessor  or 
hardware    circuits.    The    Figure    1    block  diagram 
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O/P  LATCH 
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demonstrates  the  basic  AD2S90  serial-to-parallel  data 
conversion  in  a  hardware  mode.  In  this  scheme  we  use 
two  74HC595s  as  shift  registers.  The  timing  is  generated 
by  using  a  counter/divider  74LS169,  74121  mono- 
stable  and  a  delay  component.  Figure  2  shows  the 
implementation  circuit  in  schematic  form. 

Considering  the  timing  diagram  of  the  device  as  shown 
in  the  data  sheet,  the  clock  pulse  waveform  (SCLK) 
should  have  the  following  relationships  with  the  chip 
select  pulse  (CS)  and  load  pulse: 


cs 




Here,  t,  =  250  ns  minimum 
t2  =  40  ns  (delay) 
t3  =  600  ns  minimum 
t4  =  600  ns  minimum 


Figure  1.  Serial-to-Parallel  Conversion  Block  Diagram 


The  value  for  t5  can  be  easily  calculated  as: 
t5  =  t2  +  t3  +  t4  =  1240  ns  minimum. 

In  this  application  circuit,  there  is  a  maximum  possible 
delay  of  40  ns  between  the  upgoing  edge  of  SCLK  and 
the  upgoing  edge  of  the  74LS169  output  signal  pulse. 
This  has  to  be  taken  into  consideration  when  calculating 
the  timing. 

The  one-shot  used  in  the  Figure  2  circuit  (74121)  has  the 
pulse  width: 

tw  =  In2  •  C  ■  R 

with  C  =  10  pF  and  R  =  86.6  Mi,  tw  =  600  ns 

So  the  t6  value  in  this  circuit  will  be: 

t5  =  t2  +  t3  +  t4  +  40  =  1280  ns  minimum 
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The  calculation  suggests  the  SCLK  frequency  range  for 
this  demonstrating  circuitry,  i.e.. 

For  50%  duty  cycle,  SCLK  ==  — =  390  kHz 

2.    X  tg 

For  84%  duty  cycle,  SCLK  S  ts  +  250  ns  =  653  *Hz 

Notice  here  t2  is  the  time  period  needed  for  74HC595  to 
finish  data  transfer  (from  shift  registers  to  the  storage 
register).  The  load  pulse  can  be  used  independently  or 
gated  with  other  signals  to  indicate  the  READY  status  of 
the  data  conversion.  For  further  information  on  detailed 
timing,  please  refer  to  corresponding  data  sheets. 


JUUL 


*5V 
? 


Figure  2.  Synchronous  Serial-to-Parallel  Conversion 
Schematic 

The  read-out  rate  (12-bit  parallel  data)  for  this  applica- 
tion circuit  can  be  calculated  as  follows: 

Assume  that  the  SCLK  =  653  kHz,  (79%  duty  cycle)  then: 

653  x  103 


Read-out  rate 


12 


54416  words/second 


Here,  1  word  =  12-bit  digital  data. 

Notice  that  for  the  AD2S90,  the  maximum  serial  clock 
rate  could  be  as  high  as  2  MHz  (50%  duty  cycle).  The 
corresponding  conversion  circuitry  is  not  discussed 
here  but  can  be  readily  developed  based  on  the  same 
principle.  The  maximum  read-out  rate  corresponding  to 
the  2  MHz  serial  clock  is: 

max  read-out  time  =  [600  +  (12  x  500)  +  600+  100]=7.3  u.s 
Then, 

max  read-out  rate 


1 


7.3  u.s 

(1  word  =  12-bit  digital  data) 


136,986  words/second 


ABSOLUTE  POSITION  DATA  RS-485  COMMUNICATION 

High  speed  data  transmission  between  a  computer  sys- 
tem and  a  remote  transducer  over  long  distances,  under 
high  noise  conditions,  usually  proves  to  be  very  difficult 
if  not  impossible  with  single-ended  drivers  and  receiv- 
ers. In  this  case,  EIA  standard  RS-422  or  RS-485  bal- 
anced digital  voltage  interfacing  is  recommended.  One 
benefit  of  the  AD2S90  is  its  serial  absolute  position  data 
form,  which  provides  a  basis  for  a  simple  long  distance 
data  transmission  configuration.  Figure  3  shows  the 
block  diagram  of  RS-485  communication  scheme  for 
AD2S90  long  distance  data  transmission.  Figure  4  is  the 
circuit  using  a  pair  of  driver/receiver  chips  to  implement 
RS-485  communication.  In  this  circuit,  the  serial  position 
data,  clock  pulses  and  load  pulse  are  generated  on  the 
driver  side  and  sent  to  a  differential  transmitter  (75172). 
On  the  receiver  side,  this  data  can  be  easily  converted  to 
a  parallel  format  with  a  differential  receiver  (75173). 

MAXIMUM  4000ft  AND 
32  DRIVER/RECEIVER  PAIRS  ON  LINE 


PULSE        "P>  "I 

I  I— 1  


SERIAL 
"  DATA 


Figure  3.  Block  Diagram  for  AD2S90  RS-485 
Communication 


LOAD 
PULSE 


Figure  4.  AD2S90  RS-485  Communication 

The  above  7-wire  RS-485  data  transmission  configura- 
tion is  basically  designed  for  transmitting  the  AD2S90 
serial  data  to  a  remote  location  where  all  the  data  is  then 
converted  to  parallel.  The  block  diagram  of  the  whole 
system  is  shown  in  Figure  5. 
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Figure  5.  Serial-to-Parallel  Data  Transmission  System  Diagram 


4096  LINE  INCREMENTAL  ENCODER  EMULATION 

One  important  feature  that  makes  the  AD2S90  unique 
among  R/D  converters  is  the  quadrature  signal  output. 
The  device  gives  out  1024  line  A  Quad  B  and  north 
marker  signals  exactly  emulating  those  from  a  1024  line 
incremental  optical  encoder.  The  resolution  of  the  A 
Quad  B  can  be  increased  by  multiplying  the  1024  line 
count  by  4.  This  produces  a  4096  A  Quad  B  output  which 
can  be  decoded  to  16384.  An  example  of  4096  line  incre- 
mental encoder  emulation  is  shown  in  Figure  6.  Cau- 
tions must  be  taken  in  selecting  the  inverter  type  shown 
in  Figure  6.  For  example,  4000-Series  CMOS  will  give 
you  longer  pulse  durations  than  the  AS  logic  family.  In 
certain  cases,  inverters  can  be  replaced  by  delay  compo- 
nents to  generate  more  precise  timing. 


A  CHANNEL 

J-LTL 


1024  LINE 
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B  CHANNEL 

J-LTL 


4096 1 
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Figure  6.  x4  Circuitry  Offering  4096  Incremental  Encoder 
Emulation  Using  the  AD2S90 
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Digital  Resolver  Integration 


By  Dennis  Shi-hsiung  Fu 


Resolver  (Synchro!  technology  has  been  used  in  the 
industrial  environment  for  many  years.  This  technology 
still  provides  the  best  angular  position  transducer  avail- 
able in  terms  of  ruggedness,  reliability  and  resolution. 
The  resolver  operates  on  the  same  principle  as  a  rotat- 
ing transformer  which  has  one  primary  winding  (usually 
on  the  rotor  for  modern  brushless  resolvers)  and  two 
secondary  windings  (usually  on  the  stator).  Figure  1 
shows  the  trigonometrical  relationship  between  resolver 
rotors  and  stator  windings: 


SHAFT  ANGLE 


COSINE 
OUTPUT 

HUTUH  \  C 

TWO  WINDINGS 
ON  STATOR 


Figure  1.  Trigonometrical  Relationship  Between 
Resolver  Windings 

If  there  is  a  sinusoidal  signal  applied  across  the  rotor 
input,  i.e., 

V  =  A  Sinwt 

then  two  stator  windings  will  have  a  certain  induced 
voltage  output  which  has  the  form: 

A  SinQSinuit 
A  CosQSinuit 

Here,  e  is  the  resolver  shaft  angle,  assuming  that  the 
primary/secondary  ratio  is  1:1. 

Obviously  the  output  signals  are  quite  similar  to  those 
amplitude  modulated  signals  with  carrier  angular  fre- 
quency (w).  Figure  2  shows  the  waveform  from  rotor  and 
stators. 


90°  180=  2703 

SHAFT  POSITION  ANGLE  - B 

Figure  2.  Resolver  Signal  Waveform 

To  get  position  angle  6  in  digital  format,  both  sine  and 
cosine  channel  signals  must  be  sent  to  a  resolver-to- 
digital  converter  for  decoding.  Because  of  the  size,  out- 
put digital  format,  cost  and  the  complexity  of  the 
peripheral  circuitry  of  the  resolver-to-digital  converter  in 
the  past,  it  is  neither  easy  nor  economical  to  integrate 
the  converter  into  the  resolver,  (especially  smaller  ones 
like  the  size  11  or  size  15).  Now,  with  the  advent  of  the 
AD2S90  (with  a  20-pin,  PLCC  package),  comes  the  real 
solution  for  industrial  applications  — a  very  rugged,  low 
cost  angular  position  transducer  with  digital  position 
output.  This  digital  resolver  integration  consists  of  a  sine 
wave  oscillator  and  a  AD2S90  R/D  converter.  Figure  3 
shows  the  block  diagram.  There  are  two  sets  of  signals 
coming  out  from  the  digital  resolver,  serial  absolute  po- 
sition data  and  A  Quad  B  incremental  encoder  outputs. 
All  the  input/output  signals  are  TTL  logic  compatible. 
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Figure  3.  Block  Diagram  of  Digital  Resolver 

The  next  section  details  the  implementation  of  the  con- 
cept outlined  above. 

Practical  Implementation 

The  digital  resolver  designed,  prototyped  and  tested  is 
based  on  a  size  11  brushless  resolver  and  has  the  origi- 
nal profile  of  a  size  11  resolver  with  an  increase  in  the 
overall  length.  Figure  4  shows  the  outline  dimensions  of 
this  prototyping  model. 


1 








H  1.062-  DIA  H 

Figure  4.  Outline  Drawings  of  the  Prototype  Digital 
Resolver  (Actual  Size) 
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FEATURES 

Size  11,  Heavy  Duty  Resolver 

Totally  Digital  I/O 

Absolute  Position  Data  Output 

12-Bit  Resolution 

Very  High  Readout  Rate 

Low  Cost 

Incremental  Encoder,  A  Quad  B  and  NM  0/P 

There  are  five  inputs  (  +  5V,  -5V,  GND,  Serial  Clock, 
Chip  Select)  and  four  outputs  (Absolute  Serial  Data, 
Incremental  A  Quad  B,  and  North  Marker).  For  high  am- 
bient noise  and  long  distance  data  transmission  applica- 
tions, this  digital  resolver  can  be  easily  upgraded  to  a 
configuration  which  has  differential  line  driver/receivers 
built  in.  For  more  information  on  this,  please  refer  to 
application  note  "Circuit  Applications  of  AD2S90 
Resolver-to-Digital  Converter." 

SYSTEM  SPECIFICATIONS 


Resolution 
Accuracy 
Max  Read  Rate 

Max  Rotating  Speed 
Settling  Time 

Logic  I/O 
Power  Supply 
Operating  Temperature 

Range 
Outline  Dimensions 


12  Bit 
15  arc  min 
137  Kbyte/s 

(1  Byte  =  12  Bits  Digital  Word) 
22,500  rpm 
1°  Step  -  5  ms 
179°  Step  -  20  ms 
Standard  TTL 
±5  V 

-40X  to  +85°C 
See  the  Left  Figure 
(Actual  Size) 
Weight  r  19  oz 

For  more  detailed  information  on  digital  timing,  specifi- 
cations and  application  circuits,  please  refer  to  the 
AD2S90  data  sheet  and  other  AD2S90  application  notes. 

The  circuit  diagram  of  this  design  is  shown  in  Figure  5.  A 
Wienbridge  oscillator  is  used  here  as  an  excitation 
source  for  the  resolver.  This  particular  circuit  provides 
an  oscillating  frequency  at  about  3000  Hz,  which  is  de- 
termined by  R  and  C. 

1 


R  =  Rn  =  R2 

C  =  C,  =  C2 


2tt  RC 


The  two  resistors  at  the  feedback  loop  determine  wave- 
form shape  and  distortion.  All  resistors  and  capacitors  in 
this  application  circuit  should  be  chosen  with  low  tem- 
perature coefficients,  e.g.,  better  than  50  ppm/°C.  High 
quality  polycarbonate  capacitors  should  be  used  to 
guarantee  the  temperature  stability  of  the  oscillating  fre- 
quency and  to  minimize  sine  wave  distortion. 
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One  application  for  this  digital  resolver  is  shown  in  Fig- 
ure 6,  which  uses  one  microcontroller  to  select  and  read 
16  remote  location  shaft  position  angles.  When  the  chip 
select  signal  is  logical  HIGH,  the  corresponding  serial 
data  output  bus  must  be  in  the  high  impedance  state. 
This  simplifies  the  addressing  and  reading  process. 

Another  application  is  the  direct  replacement  and  up- 
grading of  the  incremental  encoder  system  because  of 
the  unique  A,  B,  NM  and  additional  absolute  position  the 
digital  resolver  provides.  The  resolver  can  be  used  as  a 
direct  replacement  for  the  encoder  without  the  need  to 
change  or  upgrade  the  interface. 


COMPONENTS  PART  LIST 

Size  11  Brushless  Resolver  (1) 

AD2S90  Resolver-to-Digital  Converter  (1) 

AD712  Dual  Op  Amp  (1) 

RN55C  Metal  Film  Resistors  (5) 

Polycarbonate  Caps  (2) 

High  Quality  Ceramic  Caps  (4) 

PCB  and  9  Pin  D-Connector  (1) 
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Figure  6.  Remote  Access  to  76  Shaft  Angle  Position  Information  Using  One  Microcontroller 
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Speed  Measurement  and  Control  with  the  AD2S83,  a  "Silicon  Tachogenerator" 

By  Dennis  Shi-hsiung  Fu 


INTRODUCTION 

Continuous  and  precise  control  of  speed  with  long-term 
stability  and  good  transient  performance  is  an  important 
feature  of  machine  control.  At  the  present  time,  the  most 
popular  speed  transducer  used  in  the  industry  is  still  the 
mechanical  dc  tachogenerator,  which  has  the  advan- 
tages of  small  size,  simple  connections  and  good  linear- 
ity. But  its  mechanical  commutator  is  often  undesirable 
because  of  the  regular  maintenance  required.  Mechani- 
cal tachogenerators  normally  use  silver-graphite 
brushes  for  commutation.  They  usually  have  quoted  life 
time  of  103  revolutions  in  industrial  conditions,  which  is 
equivalent  to  347  days  life  with  a  motor  running  on 
average  at  2000  rpm.  When  interruptions  of  the  opera- 
tion cannot  be  tolerated  or  when  the  transducer  is  used 
in  inaccessible  locations,  constant  maintenance  is  diffi- 
cult; conversely,  brushless  resolvers  have  a  robust  rotor 
construction  which  permits  reliable  maintenance-free 
operation  at  a  wide  speed  range.  Because  the  resolver  is 
an  absolute  position  device,  it  intrinsically  provides  ve- 
locity information. 


SILICON  TACHOGENERATOR  CONFIGURATION 

The  block  diagram  of  a  typical  type  II  tracking  R/D  con- 
verter is  shown  in  Figure  1 .  With  the  resolver  shaft  mov- 
ing at  a  constant  speed  v,  the  VCO  output  will 
correspond  exactly  to  the  update  rate  which  is  equal  to 
the  rate  of  change  in  6  per  unit  of  time  where  instanta- 
neously 6  =  <t>.  This  infers  that  dcb/dt  always  tracks  the 
velocity  of  the  input  de/dt  with  zero  velocity  error  (also, 
without  a  position  error),  i.e.,  d<l>/dt  =  de/dt  =  v.  The 
signal  dc|>/dt  is  used  to  represent  accurately  the  resolver 
shaft  rotating  speed.  Theoretically,  the  only  error  in  this 
process  is  the  momentary  errors  during  acceleration  or 
deceleration.  How  fast  the  transient  error  settles  usually 
depends  on  the  dynamics  of  the  tracking  converter, 
which  are  determined  by  external  passive  components 
(set  by  user)  on  some  modern  monolithic  converters. 
Traditionally  monolithic  RDCs  were  optimized  for  posi- 
tion information  outputs  only.  The  AD2S83,  based  on 
the  AD2S80A,  can  now  provide  a  very  high  quality  ve- 
locity signal  with  a  linearity  error  as  low  as  ±0.15%  of  its 
nominal  value. 


R5  C5 

I — wHh 


DIGITAL  ANGLE 

Figure  1.  Tracking  Resolver-to-Digital  Converter  Block  Diagram 
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Practically,  there  are  several  error  sources  in  the  R/D 
converter  velocity  signals. 

1.  Static  errors  caused  by  resolver  inaccuracies  includ- 
ing resolver  phase  shift  and  transformer  ratio  mis- 
match; 

2.  An  ac  component  of  2 x  reference  frequency  superim- 
posed on  the  dc  velocity  signal  output,  which  has  the 
amplitude  (rms  value)  ranging  from  several  millivolts 
to  a  hundred  millivolts  depending  on  the  converter 
loop  bandwidth  set  by  user; 

3.  LSB  rate  ripple  caused  by  least  significant  bit  update 
noise,  which  usually  has  a  magnitude  of  approxi- 
mately sub-millivolt  peak  if  the  VCO  gain  is  correctly 
scaled. 

These  errors  can  be  minimized  with  careful  consider- 
ation in  the  sizing  of  resolvers  and  other  passive  compo- 
nents. The  combination  of  resolver  and  R/D  converter 
provides  a  suitably  high  quality  velocity  signal  for  high 
precision  motion  control. 

Other  advantages  of  using  a  resolver  with  an  AD2S83  in 
speed  control  include  the  infinite  velocity  resolution 
compared  to  an  encoder  system,  high  speed  ratings  due 
to  its  brushless  structure,  and  offering  a  cost  competitive 
solution. 

AD2S83  AND  MECHANICAL  TACHOGENERATOR 
PERFORMANCE  TEST 

In  this  performance  test,  we  randomly  picked  a  dc  tacho- 
generator  and  a  size  11  brushless  resolver,  with  the 
following  key  specs  which  are  typical  of  industrial 
applications: 


Tachogenerator: 


Brushless  resolver: 


0.1%  linearity,  0.25%  reversion  error 
and  3%  ripple,  over  0-3600  rpm 
size  11,  7  arc  min  accuracy  and  0.015  V 
null  voltage.  Excitation  frequency  is 
5000  Hz. 


The  resolver-to-digital  converter  used  is  the  AD2S83.  It 
has  8  arc  min  position  accuracy  and  has  been  specifi- 
cally designed  for  applications  requiring  a  high  quality 
velocity  signal.  The  resolution  of  the  position  data  is  1 0-, 
12-,  14-  and  16-bit  user  selectable,  and  the  converter 
dynamics  are  set  by  external  passive  components.  In  the 
test,  the  resolution  was  set  to  12  bits  with  a  bandwidth 
of  520  Hz.  Maximum  velocity  tracking  rate  in  12-bit 
mode  is  15,600  rpm.  To  guarantee  the  accuracy  of  the 
test  results,  two  velocity  transducers  are  coaxially  con- 
nected via  a  precision  gearbox  (with  minimal  backlash). 
Any  velocity  error  from  either  the  drive  or  gearbox  will 
be  common  to  both  devices  and,  therefore,  only  the 
relative  accuracy  is  compared.  The  hardware  configura- 
tion of  the  testing  system  is  shown  in  Figure  2.  The 
velocity  source  is  guaranteed  to  have  overall  0.05%  ac- 
curacy during  the  test.  The  test  data  is  detailed  in  the 
curves  shown  in  Figure  3  (percentage  linearity  error), 
Figure  4  (percentage  reversion  error)  and  Figure  5  (ac 
ripple  content).  From  the  comparison  curves,  it  could  be 
clearly  seen  that  the  performance  of  a  resolver  plus 
AD2S83  R/D  converter  is  superior  to  that  of  a  dc  tacho- 
generator. 

For  resolver  plus  R/D,  the  test  curve  an  be  extended  to 
its  full  range  of  15,600  rpm,  if  the  velocity  source  per- 
mits. The  0-3,000  rpm  range  was  chosen  for  the  test  as 
tachogenerators  usually  have  limited  linear  speed  range, 
typically  0-3,000  rpm. 


TACHOGENERATOR 


VELOCITY  SOURCE 


Figure  2.  Hardware  Configuration 
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RMS-to-DC  Converters  Ease  Measurement  Tasks 

RMS-to-OC  converters  compute  the  true  rms  value  of  a  signal  without  regard  to  waveform. 
You  can  use  them  as  building  blocks  in  a  variety  of  measurement  circuits. 

by  Bob  Clarke,  Mark  Fazio,  and  Dave  Scott 


INTRODUCTION 

RMS-to-DC  converters  provide  a  dc  output  equal  to  the 
rms  value  of  an  ac  or  fluctuating  dc  input.  Analog  De- 
vices provides  a  selection  of  five  such  converters:  the 
AD536A,  AD636,  AD637,  AD736,  and  AD737.  The  theory 
and  applications  of  the  AD536A,  AD636,  and  AD637  are 
covered  in  great  detail  in  the  RMS-to-DC  Conversion 
Application  Guide,  Second  Edition. 

The  newer  AD736  and  AD737  rms-to-dc  converters, 
however,  are  not  covered  in  the  guide.  This  application 
note  supplements  the  guide  and  discusses  the  theory 
and  applications  of  the  AD736  and  AD737.  It  also  con- 
tains information  on  how  to  enhance  the  accuracy  and 
reduce  the  settling  time  of  the  AD637. 

There  are  five  main  sections:  How  RMS-to-DC  Convert- 
ers Work,  How  to  Select  an  RMS-to-DC  Converter,  The- 
ory of  the  AD736  and  AD737,  Applications  of  the  AD736 
and  AD737,  and  Applications  of  the  AD637.  Other 
sources  of  information  on  rms-to-dc  converters  include 
the  RMS-to-DC  Conversion  Application  Guide,  Second 
Edition,  the  Nonlinear  Circuits  Handbook,  Second  Edi- 
tion, and  the  data  sheets  for  the  AD536A,  AD636,  AD637, 
AD736,  and  AD737;  all  are  available  from  Analog 
Devices. 

WHY  USE  AN  RMS-TO-DC  CONVERTER? 

Early  multimeters  used  a  simple  rectifier  and  averaging 
circuit  for  ac  measurements.  These  meters  were  then 
calibrated  to  read  the  rms  value,  but  this  was  correct 
only  for  one  waveform,  invariably,  a  sine  wave.  In 
contrast  to  averaging  circuits,  true  rms-to-dc  converters 
measure  the  rms  value  of  an  input  signal  without  regard 
to  waveform. 

Waveforms  differ  in  their  crest  factor,  which  is  defined 
as  the  ratio  of  the  peak  signal  amplitude  to  the  rms 
amplitude,  that  is,  Crest  Factor  =  VPEAK/VRMS.  Many 
common  waveforms,  such  as  sine  and  triangle  waves, 
have  relatively  low  (s2)  crest  factors.  Such  other  wave- 
forms as  low-duty-cycle  pulse  trains  and  SCR  wave- 
forms have  high  crest  factors. 


To  obtain  accurate  results  using  an  averaging  circuit,  the 
user  would  have  to  know  the  waveform  in  advance  and 
apply  a  correction  factor.  RMS-to-DC  converters  provide 
an  accurate  answer  for  a  variety  of  crest  factors.  The 
AD637  handles  crest  factors  as  large  as  10  with  no  more 
than  1%  additional  error;  the  AD736  and  AD737  handle 
crest  factors  as  large  as  5.  Table  I  contrasts  true  rms 
values  and  the  measurement  errors  introduced  by 
average-responding  circuits  for  various  waveforms. 

HOW  RMS-TO-DC  CONVERTERS  WORK 

The  rms-to-dc  converters  discussed  here  solve  an  im- 
plicit equation  for  the  rms  value  of  a  voltage.  The  follow- 
ing discussion  will  show  the  transformations  that  lead 
from  the  definition  of  rms  voltage  to  the  implicit  equa- 
tion. It  will  then  explain  the  implementation  of  the  im- 
plicit equation  in  a  monolithic  rms-to-dc  converter. 

The  definition  of  the  rms  value  of  a  voltage  is 


^[V(t)2]dt  (D 

where  VRMS  is  the  rms  value,  T  is  the  duration  of  the 
measurement,  and  V(t)  is  the  instantaneous  voltage,  a 
function  of  time,  but  not  necessarily  periodic. 

Squaring  both  sides  of  this  equation  yields 


V««s2  =  f^Wft  dt. 


(2) 


The  integral  can  be  approximated  as  a  running  average: 
Avg[V(t)]2  =  ljj"[V(t)2]dt  (3) 


then  Equation  2  simplifies  to 


VsMs2  =  Avg  [V[t)2].  W) 
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Table  I.  Error  Introduced  by  an  Average  Responding  Circuit  When  Measuring  Common  Waveforms 


■ 


Waveform  Type 
1  volt  reaK 
Amplitude 

Crest  Factor 
(VpEAK/VRMs) 

True 

nlvlo 

Value 

Average  Responding 
Circuit  Calibrated  to 

RoaH  PMC  Valuo  r»f 

neau  nivio  value  oi 
Sine  Waves  Will  Read 

%  of  Reading 

Error* 

Average 

Responding 

Circuit 

Undistorted 
Sine  Wave 

1.414 

(V2) 

0.707  V 

0.707  V 

0% 

Amplitude- 
Symmetrical 
Square  Wave 

1  nn 
I  .uu 

(Exact) 

1  nn  v 
I  .uu  V 

1  ii  \/ 
1 .  1  1  V 

+  11  n°/„ 

t  M,U/o 

Triangle  Wave 

1.732 
(  V 3) 

0.577  V 

0.555  V 

-4% 

Gaussian 
Noise  (98%  of 
Peaks  <1  V) 

3 

0.333 

0.266 

—20.2% 

Examples  of 
Unipolar 
Pulse  Trains 

2 
10 

0.5  V 
0.1  V 

0.25  V 
0.01  V 

-50% 
-90% 

SCR  Waveforms 
50%  Duty  Cycle 
25%  Duty  Cycle 



2 

4.7 

0.495  V 
0.212  V 

0.354  V 
0.150  V 

-28% 
-30% 

%  of  Reading  Error 


Average  Responding  Value  -  True  RMS  Value 
'  True  RMS  Value  ! 


Dividing  both  sides  by 

VRms  yields 

_  Avg  [VW2] 
vrms  —       V.  • 


(5) 


This  expression  provides  the  basis  for  the  implicit  solu- 
tion for  VRMS,  and  is  the  technique  used  in  Analog 
Devices'  line  of  monolithic  rms-to-dc  converters. 

Note  that  taking  the  square  root  of  both  sides  of  Equa- 
tion 4  yields 

V„MS  =  VAvg  [V(t)2]  (6) 

which  is  an  alternate  way  of  expressing  the  rms  (root  of 
mean  of  square)  value  of  the  function. 

The  implicit  method  of  rms  computation  is  preferable  to 
the  explicit  method  (successively  squaring,  averaging, 
and  taking  the  square  root  of  the  input  signal)  for  prac- 
tical reasons  that  result  in  a  superior  dynamic  range. 
Using  the  explicit  method,  the  output  of  the  squarer  will 
vary  over  a  10,000:1  dynamic  range  (1  mV  to  10  V)  for  a 
100:1  (0.1  V  to  10  V)  instantaneous  input.  Since  the  input 
squarer  used  in  the  explicit  method  will  have  errors 
greater  than  1  mV,  the  error  will  strongly  depend  on 


ABSOLUTE 
VALUE 
CIRCUIT 


signal  level,  resulting  in  an  overall  dynamic  range  of  less 
than  100:1. 

Figure  1  shows  the  implicit  method  of  rms-to-dc  conver- 
sion. The  circuit  is  essentially  an  analog  computer  that 
solves  Equation  5.  The  Analog  Devices  AD536A,  AD636, 
AD637,  AD736,  and  AD737  all  use  variations  on  this 
theme. 

The  input  stage  is  a  unity-gain  buffer,  which  is  uncom- 
mitted in  the  AD536A,  AD636,  and  AD637  and  committed 
in  the  AD736  and  AD737.  "Uncommitted"  in  this  context 
means  that  both  inputs  and  the  output  connection  are 
accessible;  the  user  has  the  option  of  using  this  buffer  as 
a  high  impedance  input  for  the  converter,  using  it  to 
build  an  active  filter  to  follow  the  rms-to-dc  converter's 
own  averaging  filter,  or  simply  leaving  it  unconnected. 

An  absolute-value  circuit  (that  is,  a  precision  full-wave 
rectifier)  follows  the  input  buffer.  The  output  of  the 
absolute-value  circuit  drives  a  squarer/divider.  The 
squarer/divider  squares  the  input  signal  and  divides  it  by 
the  output  signal,  which  is  the  averaged  output  of  the 
squaring  circuit.  By  closing  the  loop  around  the  divider, 
Equation  5  is  solved  continuously. 


Figure  1.  Implicit  Method  of  RMS-to-DC  Conversion  Used  in  AD536A,  AD636,  AD637,  AD736,  and  AD737 
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HOW  TO  SELECT  AN  RMS-TO-DC  CONVERTER 

Selecting  an  rms-to-dc  converter  means  picking  the 
product  whose  attributes  best  match  the  requirements 
of  the  application.  Unfortunately,  no  one  converter  fits 
every  situation,  so  trade-offs  must  be  made  between 
accuracy,  bandwidth,  power  consumption,  input  signal 
level,  crest  factor,  and  settling  time. 

'•. 

The  AD637  accepts  input  voltages  as  high  as  7  V  rms 
and  is  Analog  Devices'  most  accurate  and  widest- 
bandwidth  rms-to-dc  converter.  Its  -3  dB  bandwidth  is 
8  MHz  for  a  1  V  rms  input.  It  has  an  auxiliary  dB  output 
that  is  proportional  to  the  logarithm  of  the  input  signal 
over  a  60  dB  range  and  a  power-down  feature  that  re- 
duces its  quiescent  current  from  3  mA  to  450  (jlA. 

Both  the  AD736  and  AD737  are  optimized  for  use  in 
portable  instruments;  they  consume  less  than  200  nA  of 
quiescent  current  and  accept  signal  levels  from  0  to 
200  mV  rms;  as  we'll  see  later,  external  attenuators  can 
be  added  for  other  signal  ranges.  The  AD737  also  has  a 
power-down  input,  which  allows  the  user  to  reduce  its 
quiescent  current  from  160  pA  to  40  (j.A  in  portable  ap- 


plications. Table  II  summarizes  these  specifications  for 
the  AD637,  AD736,  and  AD737.  The  AD637  is  the  best 
all-around  performer,  with  its  superior  combination  of 
accuracy,  dynamic  range,  crest  factor,  and  settling  time. 
It  also  has  the  widest  bandwidth,  as  shown  in  Table  III. 

The  AD637  should  also  be  chosen  if  the  application  re- 
quires high  accuracy  and  a  quick  response  for  large, 
abrupt  changes  in  signal  level.  The  AD637's  settling  time 
is  independent  of  signal  level,  while,  for  a  given  value  of 
averaging  capacitor,  the  settling  time  of  the  AD736  and 
AD737  depends  on  signal  level,  being  longer  for  low 
level  signals  and  shorter  for  high  level  signals. 

Although  they  have  less  bandwidth,  the  AD736  and 
AD737  perform  better  than  the  AD637  for  low  level  sig- 
nals (<10  mV)  and  consume  less  power.  (Later  in  this 
application  note,  we  will  see  how  to  improve  the 
AD637's  performance  for  low  level  (<20  mV)  signals  by 
using  an  external  preamplifier.)  They  can  also  be  used 
as  general  purpose  parts,  replacing  such  op  amp  circuits 
as  averaging  converters  and  precision  rectifiers.  Both 
the  AD737  and  AD637  also  have  a  power-down  feature. 


Table  II.  RMS-to-DC  Converter  Selection  Guide 


Model 

Conversion 
Accuracy 
±mV±%  Reading 

Maximum 
Power 

Consumption 

Continuous 
Input 

(Vrms) 

Crest  Factor 
for  a  1% 
Additional 
Error 

Relative 
Settling 
Time 

Comments 

AD637J 
AD637K 

±1  mV  ±  0.5% 
±0.5  mV  ±  0.2% 

3  mA  <§  ±15  V 
3mA@  ±15  V 

7  @  Vs  =  ±15 
7@  Vs  =  ±15 

s10 
slO 

Fast 

Highest  Accuracy 
Highest  Bandwidth 
Precision  Applications 

AD736A/J 
AD736B/K 

±0.5  mV  ±  0.5% 
±0.3  mV  ±  0.3% 

0.2  mA  (a  +5  V 
0.2  mA  @  ±5  V 

1  @  Vs  =  ±5 
1  @  Vs  =  ±5 

CO  CO 

VI  VI 

Slow 

Low  Cost 
Low  Power 
Output  Buffer 

AD737A/J 
AD737B/K 

±0.4  mV  ±  0.5% 
±0.2  mV  ±  0.3% 

0.16  mA  @  ±5  V 
0.16  mA@  ±5V 

1  @  Vs  =  ±5 
1  @  Vs  =  ±5 

£3 
<3 

Slow 

Low  Cost 
Lowest  Power 
No  Output  Buffer 

Table  III.  RMS-to-DC  Converter  Bandwidth  vs.  Accuracy 


Bandwidth  (kHz) 
for  1%  Additional 
Error  for 

V,N  =  1  mV 
VIN  =  10  mV 
VIN  =  20  mV 
VIN  =  200  mV 

AD637 

AD736  AD737 

I 

Pin  1 

Pin  2 

Pin  1 

Pin  2 

NA 
NA 

11  kHz 
66  kHz 

1  kHz 
6  kHz 
NA 

90  kHz 

1  kHz 
6  kHz 
NA 

33  kHz 

1  kHz 
6  kHz 
NA 

90  kHz 

1  kHz 
6  kHz 
NA 

33  kHz 

3  dB  Bandwidth 
(kHz)  for 

VIN  =  1  mV 
VIN  =  10  mV 
VIN  =  20  mV 
VIN  =  200  mV 

NA 
NA 

150  kHz 
1000  kHz 

5  kHz 
55  kHz 
NA 

460  kHz 

5  kHz 
55  kHz 
NA 

190  kHz 

5  kHz 
55  kHz 
NA 

460  kHz 



5  kHz 
55  kHz 
NA 

190  kHz 
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THEORY  OF  THE  AD736  AND  AD737 

To  better  understand  how  the  AD736  works,  consider 
the  simplified  block  diagram,  first  as  drawn  on  the 
AD736  data  sheet  (Figure  2),  and  then  redrawn  with  the 
averaging  (CAV)  and  filter  (CF)  capacitors  in  Figure  3  to 
better  show  signal  flow. 

The  input  to  the  AD736  and  AD737  is  through  a  FET- 
input  op  amp  connected  as  a  unity-gain  buffer.  This 
amplifier  allows  both  a  high  impedance,  buffered  input 
(Pin  2)  or  a  low  impedance  input  (Pin  1)  that  provides  a 
wider  dynamic  range.  The  high  impedance  input,  with 
its  low  input  bias  current,  is  well  suited  for  use  with  high 
impedance  input  attenuators. 

The  output  of  the  buffer  drives  a  full-wave  rectifier  or 
absolute  value  circuit,  which  in  turn  drives  a  2-quadrant 
squarer/divider.  The  output  of  the  squarer/divider  drives 
the  summing  node  of  an  inverting  op  amp  connected  as 
a  current-to-voltage  converter.  Pin  3  gives  access  to  this 
node  to  connect  a  filter  capacitor  in  parallel  with  the  8  kO 
feedback  resistor  to  form  a  1-pole  low-pass  filter. 

The  AD737  (Figures  4  and  5)  is  similar  in  design  and 
function  to  the  AD736  except  that  the  AD737  lacks  an 
output  buffer,  which  is  omitted  in  order  to  reduce  power 
consumption,  and  has  a  power-down  feature  that  further 
reduces  power  consumption.  Its  output  stage  is  a  simple 
open-collector  NPN  transistor  with  an  8  kfi  load  resistor. 
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Figure  2.  Simplified  Block  Diagram  of  the  AD736 
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Figure  3.  Redrawn  Simplified  Block  Diagram  of  the 
AD736 


It  develops  its  output  voltage  by  sinking  current  through 
this  resistor.  The  external  averaging  capacitor  (CAV)  for 
the  AD736  and  AD737  is  connected  between  Pins  4 
(-Vs)  and  5  (CAV),  which  places  it  across  a  transistor's 
base-emitter  junction  in  the  rms  core.  This  means  that 
the  resistance  in  parallel  with  the  averaging  capacitor  is 
that  of  a  diode,  and  thus  signal-level  dependent.  The 
resulting  time  constant  is  inversely  proportional  to  the 
rms  value. 

Because  the  external  averaging  capacitor,  CAV,  "holds" 
the  rectified  input  signal  during  rms  computation,  its 
value  directly  affects  the  accuracy  of  the  measurement 
-especially  at  low  frequencies.  (The  larger  the  value  of 
CAV,  the  lower  the  error.)  Also,  because  the  averaging 
capacitor  appears  across  a  base-emitter  junction  in  the 
squarer/divider  whose  resistance  varies  with  signal 
level,  the  averaging  time  constant  will  increase  linearly 
as  the  input  signal  is  reduced. 

ne  ■  .-w-»Ji,n9i»  iemsjxe  ,io>sl  es*  IIW  es  ;srm  Vin  OOS 
Consequently,  as  the  input  level  decreases,  errors  due  to 
nonideal  averaging  will  decrease  while  the  time  it  takes 
for  the  circuit  to  settle  to  the  new  rms  level  will  increase. 
Therefore,  lower  input  levels  allow  the  circuit  to  perform 
better  (due  to  increased  averaging)  but  increase  the 
waiting  time  between  measurements  because  the  capac- 
itor takes  longer  to  discharge.  Thus,  a  trade-off  between 
computational  accuracy  and  settling  time  is  required. 
This  topic  is  discussed  in  detail  in  the  RMS-to-DC- 
Conversion  Application  Guide,  Second  Edition. 
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Figure  4.  Simplified  Block  Diagram  of  the  AD737 
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Figure  5.  Redrawn  Simplified  Block  Diagram  of  the 
AD737 
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DC  Error,  Output  Ripple,  and  Averaging  Error 

Figure  6  shows  the  typical  output  waveform  of  the 
AD736  and  AD737  with  a  sine  wave  input  applied.  The 
ideal  output  of  VOUT  m  rms  (V,N)  is  never  achieved; 
instead,  the  output  contains  both  a  dc  error  and  an  ac 
ripple  component. 


I  DC 


DC  ERROR  =  E  0  -  E  0  (IDEAL) 


DOUBLE  -  FREQUENCY 
RIPPLE 


Figure  6.  Output  Waveform  of  the  AD736  and  AD737  for 
a  Sine  Wave  Input  Voltage 

The  dc  error  is  the  difference  between  the  average  of  the 
output  signal  (when  the  ripple  in  the  output  has  been 
removed  by  filtering)  and  the  ideal  dc  output.  The  dc 
error  component  is  therefore  set  solely  by  the  value  of 
averaging  capacitor  used  — no  amount  of  post  filtering 
(i.e.,  using  a  very  large  CF)  will  reduce  this  error,  al- 
though the  ripple  may  be  removed  by  using  a  large 
value  of  CF. 

In  most  cases,  the  combined  magnitudes  of  both  the  dc 
and  ac  error  components  need  to  be  considered  when 


selecting  values  of  capacitors  CAV  and  CF.  This  com- 
bined error,  representing  the  maximum  uncertainty  of 
the  measurement  is  termed  the  "averaging  error"  and  is 
equal  to  the  peak  value  of  the  output  ripple  plus  the  dc 
error. 

As  the  input  frequency  increases,  both  the  dc  and  ac 
error  components  decrease  rapidly:  if  the  input  fre- 
quency doubles,  the  dc  error  and  ripple  reduce  to  1/2 
and  1/4  their  original  values,  respectively,  and  rapidly 
become  insignificant.  Table  IV  provides  practical  values 
of  CAV  and  CF  for  several  common  applications.  Figure  7 
shows  the  additional  error  versus  crest  factor  of  the 
AD736  and  AD737  for  various  values  of  CAV. 
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Figure  7.  Additional  Error  vs.  Crest  Factor  of  the  AD736 
and  AD737  for  Various  Values  of  CAV 


Table  IV.  Practical  Values  for  CAV  and  CF  for  AD736  and  AD737 


■ 


Low 

Frequency 

Settling 

RMS 

Cutoff 

Max  Crest 

Time* 

Application 

Input  Level 

(-3  dB) 

Factor 

Cav 

cF 

to  1% 

General  Purpose 

0  V-1  V 

20  Hz 

5 

150  u-F 

10  u-F 

360  ms 

RMS 

200  Hz 

5 

15  u-F 

1  u-F 

36  ms 

Computation 

0-200  mV 

20  Hz 

5 

33  u.F 

10  u-F 

360  ms 

200  Hz 

5 

3.3  u-F 

1  u-F 

36  ms 

General  Purpose 

0  V-1  V 

20  Hz 

NONE 

33  u-F 

1.2  sec 

Average 

200  Hz 

NONE 

3.3  u-F 

120  ms 

Responding 

0  mV-200  mV 

20  Hz 

NONE 

33  u-F 

1.2  sec 

200  Hz 

NONE 

3.3  u-F 

120  ms 

SCR  Waveform 

0  mV-200  mV 

50  Hz 

5 

100  u-F 

33  u-F 

1.2  sec 

Measurement 

60  Hz 

5 

82  u-F 

27  u-F 

1.0  sec 

0  m V-1 00  mV 

50  Hz 

5 

50  u-F 

33  u-F 

1.2  sec 

60  Hz 

5 

47  u-F 

27  u-F 

1.0  sec 

Audio 

Applications 

Speech 

0  mV-200  mV 

300  Hz 

3 

1.5  u.F 

0.5  u-F 

18  ms 

Music 

0  m V-1 00  mV 

20  Hz 

10 

100  u-F 

68  u-F 

2.4  sec 

•Settling  time  is  specified  over  the  stated  rms  input  level  with  the  input  signal  increasing  from  zero. 
Settling  times  will  be  greater  for  decreasing  amplitude  input. 
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Calculating  AD737  Settling  Time 

The  graph  of  Figure  8  may  be  used  to  approximate  the 
time  required  for  the  AD736  or  AD737  to  settle  when  its 
input  level  is  reduced  in  amplitude.  The  total  time  re- 
quired for  the  rms  converter  to  settle  will  be  the  differ- 
ence between  two  settling  times  extracted  from  the 
graph -the  initial  settling  time  minus  the  final  settling 
time. 

As  an  example,  consider  the  following  conditions:  a 
33  \iF  averaging  capacitor,  an  initial  rms  input  level  of 
100  mV,  and  a  final  (reduced)  input  level  of  1  mV.  From 
Figure  8,  the  initial  settling  time  (where  the  100  mV  line 
intersects  the  33  (jlF  line)  is  around  80  ms.  The  settling 
time  corresponding  to  the  new  or  final  input  level  of 
1  mV  is  about  8  seconds.  Therefore  the  net  time  for  the 
circuit  to  settle  to  its  new  value  will  be  dominated  by  the 


final  settling  time. 
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Figure  8.  Settling  Time  vs.  RMS  Input  Level  of  the  AD736 
and  AD737  for  Various  Values  of  CAV 

APPLICATIONS  OF  THE  AD736  AND  AD737 
AD736  as  Precision  Rectifier 

Building  a  precision  rectifier  requires  two  op  amps,  two 
diodes,  and  a  handful  of  matched  resistors.  An  easy  way 
to  replace  all  these  parts  and  save  some  board  space  is 
to  use  an  rms-to-dc  converter.  Just  omit  the  averaging 
capacitor  and  disconnect  the  feedback;  this  uses  only 
the  converter's  internal  precision  rectifier  (Figure  9), 
which,  being  monolithic,  has  inherently  matched  diodes. 
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One  note  about  precision  rectifiers:  as  the  input  wave- 
form crosses  through  zero,  the  op  amp  must  instanta- 
neously switch  one  diode  on  and  the  other  off.  For  this 
reason,  the  bandwidth  of  precision  rectifiers  is  always 
much  less  than  one  might  otherwise  expect  based  on 
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Va 

Figure  9.  AD736  Connected  as  a  Precision  Rectifier 


Figure  10.  Performance  of  AD736  Precision  Rectifier  at 
1  kHz  (Top  Photo)  and  19  kHz  (Bottom) 

the  gain-bandwidth  product,  open-loop  gain,  and  slew 
rate  of  the  op  amp.  The  monolithic  precision  rectifiers 
used  in  rms-to-dc  converters  fare  much  better  than  dis- 
crete precision  rectifiers  in  this  regard,  as  the  photo  of 
the  AD736's  performance  as  a  precision  rectifier  in  Fig- 
ure 10  shows. 

Extending  the  AD736  and  AD737  Full-Scale  Input 
Ranges 

The  high  impedance  input  (Pin  2)  of  the  AD736  and 
AD737  allows  simple  resistive  attenuators  (Figure  11)  to 
be  used  to  extend  their  input  range.  Without  input  atten- 
uation, both  the  AD736  and  AD737  can  accurately  mea- 
sure input  signals  as  large  as  200  mV  rms  with  crest 
factors  of  1  to  3. 

The  external  attenuator  simply  reduces  the  full-scale 
input  to  the  200  mV  rms  input  range  of  the  AD736 
or  AD737.  For  a  maximum  7  V  rms  input  (10  V  peak) 
input,  for  example,  the  attenuator  should  be  a  35:1  (7/.2) 
voltage  divider.  The  reading  of  the  converter  should 
be  scaled  by  the  factor  of  attenuation  used.  An  external 
attenuator  can  also  be  used  with  the  converter's  low 
impedance  input  (Pin  1),  as  will  be  shown  later  in 
Figure  13. 
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Figure  1 1.  By  using  an  external  input  attenuator,  you  can 
extend  the  measurement  range  of  the  AD736  and  AD737. 
Although  the  AD736  is  shown,  this  technique  also  works 
with  the  AD737. 

Single-Supply  Operation  of  the  AD736 

In  dual-supply  operation,  the  output  (Pin  6)  of  the  AD736 
is  at  0  V,  halfway  between  the  supply  rails.  But  in  single- 
supply  operation,  the  output  is  at  1/2  Vcc.  By  adding  a 
single-supply  op  amp  as  a  differential  amplifier,  how- 
ever, you  can  build  a  true  "0  V  out  for  0  V"  single-supply 
circuit  with  a  ground-referenced  output  (Figure  12).  For 
this  circuit,  VRMS  =  0  when  V,N  =  0  and  VRMS  =  200  mV 
dc  when  VIN  =  200  mV  rms. 

In  this  circuit,  a  single  9  V  positive  supply  powers  the 
AD736.  Resistors  R7  and  R8  form  a  voltage  divider 
across  the  9  V  battery  that  establishes  a  local  "ground" 
rail  at  1/2  Vcc,  or  4.5  V.  The  AD736's  "COMMON"  pin,  its 
22  Mn  input  bias  resistor,  and  the  inverting  input  of  U2 
(via  R4  and  R5)  are  all  connected  to  this  rail.  The  quies- 
cent output  voltage  of  the  AD736,  which  is  referenced  to 
its  COMMON  pin,  is  4.5  V. 


AD736  increases  from  0  mV  to  200  mV,  the  AD736's 
output  increases  from  4.5  V  to  4.7  V.  U2's  output  is  the 
difference  between  the  AD736's  output  and  4.5  V,  or 
0  mV  to  200  mV  dc. 

The  remainder  of  the  circuit  works  as  follows.  The 
AD736's  input  is  ac  coupled;  R1  provides  a  path  for  the 
BiFET  op  amp's  input  bias  current  (typically  1  pA)  to 
flow.  The  offset  voltage  due  to  bias  current  flowing 
through  R1's  22  Mf!  resistance  is  negligible.  C3  (10  (jlF), 
connected  between  U1's  Pins  1  and  8,  provides  a  low 
frequency  cutoff  of  2  Hz;  you  can  select  other  cutoff 
values  using 

1  (7) 

f= 

2ir  RC 

where  f  is  the  -3  dB  frequency  in  Hz,  C  is  in  farads,  tt  is 
3.1416,  and  R  is  fixed  at  8  kfl  ±20%  by  the  AD736. 

The  averaging  capacitor,  CAV,  is  33  nF  and  is  connected 
between  pins  4  and  5  of  U1.  An  optional  10  u.F  filter 


capacitor,  CF,  in  parallel  with  an  8  kfl  feedback  re 
across  the  output  buffer  forms  a  1-pole  low-pass  filter 
with  a  2  Hz  cutoff  frequency. 

You  can  calculate  the  value  of  CF  using  the  expression 
1 


f  = 


2u  RCF 


(8) 


where  f  is  the  -3  dB  frequency  in  Hz,  CF  is  in  Farads,  it  is 
3.1416,  and  R  is  fixed  at  8  kfl  ±20%  by  the  AD736.  Or, 
since  R  is  fixed, 

20  Hz 
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Figure  12.  By  using  a  single  supply  op  amp  to  level  shift  the  AD736's  output,  you  can  build  a  true  single  supply 
circuit  that  supplies  0  V  output  for  0  V  input. 
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Single-Supply  Operation  of  the  AD737 

You  can  also  build  a  "true"  single-supply  circuit-OV 
out  for  0  V  in -using  the  AD737.  Note  that  the  circuit  in 
Figure  13  shows  three  design  techniques:  how  to  oper- 
ate the  AD737  from  a  single  supply,  how  to  use  a  resis- 
tive attenuator  in  series  with  the  low  impedance  input  of 
the  AD737,  and  how  to  use  a  single-supply  op  amp  to 
convert  the  AD737's  output  current  to  a  voltage. 

The  combination  of  the  input  attenuator  (R1  and  R2)  and 
the  output  op  amp  (U2)  allows  the  circuit  to  provide  0  V 
dc  to  2  V  dc  output  for  0  V  rms  to  2 

Vrms  full-scale  input. 
You  can  also  use  this  resistive  attenuator  with  the 
AD736.  The  circuit  consumes  just  192  (j.A  from  a  9V 
supply  at  10  mV  rms  input  and  240  (iA  from  a  9  V  supply 
at  2  V  rms  input. 

At  the  input  of  the  circuit,  an  additional  resistance 
(formed  here  by  the  sum  of  R1  and  R2)  in  series  with  Pin 
1  serves  as  an  attenuator.  You  can  calculate  the  value  of 
this  resistance  using  the  expression 


8  kSl  x  V, 


FS 


0.2  V 


8  Ml 


(10) 


where  R,N  is  the  value  of  the  series  input  resistance  and 
VFS  is  the  desired  full-scale  input  voltage.  For  the  2  V 
full-scale  input  voltage  used  here, 

"in  0  2V 

which  yields  R,N  =  72  kfi.  For  a  10  V  full-scale  input  volt- 
age, R,N  would  equal  392  kn.  Due  to  the  thin  film  resis- 
tors used  in  the  manufacturing  process  for  the  AD737 
(and  AD736),  the  tolerance  of  R,N  is  20%.  Thus,  the  ex- 
ternal resistance  (R1  plus  R2)  must  be  72  kfi  ±20%  to 
compensate  for  the  tolerance  of  the  internal  resistance. 

As  in  the  AD736  single  supply  circuit,  a  single  9  V  battery 
powers  the  AD737,  and  two  100  kfi  resistors  (R7  and  R8) 
across  the  9  V  battery  form  a  voltage  divider  that  estab- 


lishes a  local  "ground"  rail  at  1/2  Vcc,  or  4.5  V.  A  single- 
supply  op  amp,  U2,  serves  as  an  IA/  converter  that 
produces  a  2  V  full-scale  output. 

The  output  of  the  AD737  is  an  open-collector  NPN  tran- 
sistor that  normally  sinks  current  through  the  8  kfi  resis- 
tor connected  through  the  COMMON  pin  to  ground.  In 
this  circuit,  the  COMMON  pin  is  left  unconnected,  and 
the  AD737  sinks  current  from  the  node  at  the  inverting 
input  of  U2.  In  order  to  maintain  the  same  potential  at  its 
inverting  and  noninverting  nodes,  U2  increases  its  out- 
put voltage  (VRMS),  which  increases  the  current  through 
feedback  resistor  R6.  This  circuit  is  balanced  when  the 
current  through  the  R6  equals  the  current  absorbed  by 
the  AD737. 

The  gain  of  the  output  stage  can  be  increased  by  simply 
increasing  the  value  of  the  feedback  resistor,  R6.  The 
combination  of  C4  and  R6  form  the  post  filter  in  this 
circuit  and,  because  R6  is  an  order  of  magnitude  larger 
than  the  8  kfi  internal  resistor  in  the  AD736  and  AD737, 
this  circuit  allows  a  xlO  smaller  value  of  C4  for  the  same 
amount  of  filtering  (i.e.,  T  =  C4R6  =  CF  x  8  kfi). 

A  3-Chip  Digital  Panel  Meter  for  Differential  Current  or 
Voltage  Measurement 

By  using  an  AD22050  difference  amplifier,  an  AD737 
rms-to-dc  converter,  and  an  ICL7136  single-chip  DMM, 
you  can  build  a  complete,  3-chip  digital  panel  meter  that 
measures  the  rms  value  of  an  alternating  current  (or 
voltage).  The  circuit  uses  very  little  power:  the  AD22050 
draws  less  than  300  nA  quiescent  current  and  the  AD737 
draws  less  than  160  |iA  quiescent  current. 

Figure  14  shows  the  circuit.  The  transfer  function  of  the 
circuit  for  a  200  mV  full-scale  reading  is 

20  x  lIN  RsfNsf  =  200  mV  (12) 

where  20  is  U1's  gain,  l,N  is  the  input  current  in  Am- 
peres, RSENSE  is  the  value  of  the  sense  resistor  in  Ohms, 
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Figure  13.  You  can  also  build  a  true  single-supply  circuit  using  the  AD737.  Note  that  this  circuit  also  shows  how  to  use  an 
input  attenuator  with  the  AD737's  low  impedance  input. 
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Figure  14.  By  using  an  AD737  rms-to-dc  converter,  an  AD22050  difference  amplifier,  and  an  ICL7136  single-chip  DMM,  you 


can  build  a  true  rms  low  power  digital  panel  meter. 

and  200  mV  is  the  full-scale  reading  of  the  ICL7136.  A 
more  convenient  expression  that  provides  a  100  mV  full- 
scale  reading  for  10  mV  across  RSense 's 

"sense  =t  ~~ ;     ■  03) 
UN , 

For  example,  to  measure  a  full-scale  current  of  100  mA 
rms  with  a  full-scale  reading  of  100  mV: 


5  mV 
100  mA 


50  mil. 


(14) 


Here's  how  the  circuit  works.  The  input  current  is  con- 
verted to  a  voltage  by  RSense-  The  input  amplifier,  U1, 
an  AD22050,  is  a  single-supply  difference  amplifier  that 
amplifies  the  input  signal  by  a  factor  of  x20;  the  gain  of 
the  AD22050  can  be  changed  by  adding  external  resis- 
tors (as  shown  on  the  next  page).  Its  -3  dB  bandwidth  is 
100  kHz  and  its  slew  rate  is  0.1  V/u,s.  Note  that  a  mis- 
match between  C1  and  C2  will  degrade  the  CMRR  of  this 
circuit. 

Connecting  Pin  7  of  the  AD22050  to  the  positive  supply 
pulls  its  zero-signal  output  at  Pin  5  to  1/2  of  the  9  V 
supply,  or  4.5  V.  Resistors  R7  and  R8  split  the  supplies 
for  the  AD737.  The  AD737  supplies  a  differential  output 
between  its  Pins  6  and  8  to  the  COMMON  and  LO  inputs 
of  a  3-1/2-digit  DMM  IC,  an  ICL7136.  (The  3-1/2-digit 
display  and  its  connections  are  omitted  for  simplicity.) 
R2  and  C7  form  a  simple  RC  filter.  The  small  value  of  C7 
is  made  possible  by  U3's  high  input  impedance.  U4,  an 
AD589,  provides  an  external  1 .23  V  reference  to  calibrate 
U3.  To  calibrate  this  circuit,  adjust  R5  to  provide  a  100 
mV  reference  voltage  between  the  REF  HI  and  REF  LO 
inputs  of  the  ICL71 36. 

Changing  the  AD22050's  Input  Gain 

The  AD22050  consists  of  two  stages:  an  input  preampli- 
fier and  an  output  buffer.  The  gain  of  the  AD22050 
preamplifier,  from  the  input  Pins  1  and  8  to  its  output  at 
Pin  3,  is  x  10,  and  that  of  the  output  buffer  is  x  2,  making 


! 

the  overall  gain  x20.  Many  applications  will  call  for 
gains  greater  than  or  less  than  x20.  Both  of  these  situa- 
tions are  readily  accommodated  by  the  addition  of  one 
external  resistor.  Note  that  this  is  possible  because  the 
output  resistance  of  the  input  buffer  (at  Pin  A1)  is  delib- 
erately raised  to  100  kfi  ±1%. 

The  gain  may  be  raised  by  connecting  a  resistor  from 
the  output  of  the  buffer  amplifier  (Pin  5)  to  its  noninvert- 
ing  input  (Pin  4)  as  shown  in  Figure  15.  The  gain  is  now 
multiplied  by  the  factor  R/(R-100),  where  R  is  in  kfi;  for 
example,  the  gain  is  doubled  for  R  =  200  kfi.  Overall 
gains  as  high  as  160  are  readily  achievable  in  this  way. 
Note  that  the  gain  becomes  increasingly  dependent  on 
the  accuracy  of  the  resistor  value  at  high  gains. 


Isi  [ti  m  ili" 


+IN  OPS  +VS  OUT 

AD22050 
-IN  GND  A1  A2 


Li]  [2]  [3j  |4j 


ANALOG 
"  OUTPUT 


■■-  —  G- 
(R  IN  k£2) 


V0H  =  DIFFERENTIAL  MODE  VOLTAGE 
VCM  =  COMMON  MODE  VOLTAGE 


ANALOG 
COMMON 


Figure  15.  AD22050  Configured  for  Gains  G 
than  20 


iter 


Because  the  output  of  the  AD22050  preamplifier  has  an 
output  resistance  of  100  kfi  (±1%),  an  external  resistor 
connected  from  Pin  4  to  ground  (Figure  16)  lowers  the 
gain  by  a  factor  R/(100  +  R),  where  again  R  is  in  kfi.  When 
configuring  the  AD22050  for  low  gains,  however,  care 
should  be  taken  not  to  exceed  the  output  capabilities  of 
the  preamplifier,  because  the  preamplifier  with  its  gain 
of  x10  may  saturate  before  the  AD22050's  output  stage 
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Figure  16.  AD22050  Configured  for  Gains  Less  than  20 

AD736  Single-Supply  Circuit  With  Output  Scaling 

You  can  also  use  the  AD22050  difference  amplifier  with 
the  AD736  to  build  a  0  V  in,  0  V  out  circuit.  Figure  17 
shows  the  circuit.  The  AD22050  amplifies  the  difference 
between  the  COMMON  and  VOUT  with  a  fixed  gain  of 
x20,  transforming  the  0  mV  to  200  mV  input  range  to  0  V 
to  4  V.  The  output  of  the  AD22050  can  go  within  about  20 
mV  of  ground,  so  the  useful  range  of  this  circuit  for  1% 
of  reading  accuracy  is  10  mV  to  200  mV  ac  rms  input  for 
1 00  mV  to  4  V  dc  output.  The  bandwidth  of  this  circuit  for 
less  than  1  of  reading  error  is  40  Hz  to  6  kHz  at  10  mV 
rms  input,  extending  to  36  kHz  at  200  mV  rms  input. 

You  can  add  an  output  low-pass  filter  by  placing  a 
capacitor  from  the  junction  of  Pins  3  and  4  of  the 
AD22050  to  ground.  The  -3  dB  cutoff  frequency  of  this 
filter  is 

f=  1   (15) 

2-rrC  X  100  ttl 

where  C  is  in  farads.  Alternately,  f  =  1.59  Hz  per  (jlF. 

Transmit  Current  Measurements  Using  4-to-20  mA 
Transmitter 

You  can  also  measure  alternating  current  and  transmit 
the  results  on  a  4-to-20  mA  current  loop.  Figure  18 
shows  the  AD22050,  the  AD736,  and  the  AD694,  a  4-to- 
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NOTES: 

ALL  FIXED  RESISTORS  ARE  1%,  RN55C 
FULL  SCALE  ADJUSTED  TO  5.000V  AT  60Hz 
WITH  VlN  =  10mV. 


NULL 

ALL  FIXED  RESISTORS  ARE  1%,  RN55C 

Figure  17.  You  can  build  a  single  supply  circuit  with  X20 
gain  and  optional  filtering  using  the  AD736  and  AD22050. 

20  mA  transmitter,  configured  as  a  0-to-1 0  mV  ac  rms  in, 
4-to-20  mA  out  current  measuring  subsystem  for  use  in 
process-control  loops. 

This  circuit  builds  on  the  techniques  shown  in  the  previ- 
ous circuits.  For  example,  the  AD22050  provides  a 
differential-in,  single-ended  out,  current  sensor.  Here  the 
AD22050  operates  at  a  gain  of  x20  as  before,  and  drives 
the  low  impedance  input  (8  kfl  ,  Pin  1)  of  the  AD736. 

Because  of  their  low  power  consumption,  both  the 
AD22050  and  the  AD736  can  operate  from  10  V  supplied 
by  the  AD694's  Pin  7  reference  output.  The  AD694  oper- 
ates from  a  +24  V  single  supply.  Because  this  circuit 


Figure  18.  By  using  an  AD694  4-to-20  mA  current-loop  interface  IC,  you  can  build  a  complete  remote-monitoring  system  that 
measures  true  rms  current  or  voltage  with  just  three  ICs.  The  entire  circuit  operates  from  a  single  +24  V  supply. 
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operates  from  a  single  supply,  you  must  bias  the  COM- 
MON (Pin  8)  input  of  the  AD736  at  1/2  of  the  AD694's 
10  V  output,  or  5  V.  You  can  do  this  by  creating  a  voltage 
divider  at  Pin  4  of  the  AD694  using  R5  and  R9,  which  is  in 
parallel  with  the  AD694's  internal  10  kfi  resistor. 

The  AD694's  buffer  amplifier  amplifies  the  difference 
between  the  AD736's  output  at  Pin  6  and  this  5  V  rail  — 
this  difference  ranges  from  0  mV  to  200  mV  dc  for  a 
0  mV  to  10  mV  rms  input  and  produces  a  4-to-20  mA 
current  output  from  the  AD694. 

R2  serves  as  a  gain  adjustment.  R5  and  R7  set  the  gain  of 
the  AD694's  amplifier  A1  to  x10.  R7  matches  R5  to 
prevent  offsets  due  to  Al's  input  bias  currents.  This 
circuit's  accuracy  is  1.2%  of  reading  from  20  Hz  to  40  Hz 
and  1%  of  reading  from  40  Hz  to  1  kHz.  Its  -3  dB  band- 
width is  33  kHz. 


APPLICATIONS  OF  THE  AD637 

In  the  final  section  of  this  application  note,  we'll  see  how 
to  enhance  the  accuracy  of  low  level  (<100  mVRMS) 
measurements  made  with  the  AD637  rms-to-dc  con- 
verter and  reduce  settling  time. 

Increased  Accuracy  for  Low-Level  Measurements 

A  problem  in  using  all  rms-to-dc  converters  occurs  in 
making  measurements  of  very  low  level  signals.  This 
problem  arises  due  to  slew  rate  limitations  in  the  inter- 
nal precision  rectifier  (or  absolute  value  circuit)  used  to 
convert  the  bipolar  input  signal  to  a  unipolar  signal. 

One  way  to  circumvent  this  limitation  is  to  shift  the 
dynamic  range  of  the  input  signal  by  amplifying  it  with  a 
fixed  gain  stage.  Figures  19's  circuit  uses  an  AD744 
BiFET  op  amp  configured  as  a  fixed  gain  of  xio  ampli- 
fier. The  AD744  was  chosen  because  of  its  low  cost,  13 
MHz  gain-bandwidth  product  (G  =  2),  and  75  V/u.s  slew 
rate.  With  a  75  V/u.s  slew  rate,  the  AD744  can  amplify  a 
10  V  peak  or  7  V  rms  signal  at  frequencies  as  high  as  1.2 
MHz  without  slew  rate  limiting. 

The  amplifier  has  a  fixed  gain  of  x10.  A  1  Mfi  input 
resistor  supplies  the  100  pA  maximum  input  bias  cur- 
rent. Because  the  gain  is  x10  and  the  circuit  will  be  dc 


+15V 


coupled  to  the  AD637,  an  external  offset  trim  is  used.  To 
minimize  gain  error,  R4  and  R5  were  hand  selected  to  set 
the  gain  of  U1  at  G  =  1  +  (R4  +  R5)/R6  =  10. 

A  3-Pole  Ripple  Filter  for  the  AD637 

The  usual  trade-off  in  designing  any  rms  circuit  is  one  of 
settling  time  versus  accuracy  and  minimum  output  rip- 
ple. One  way  of  reducing  settling  time  is  to  use  as  small 
a  value  of  CAV  as  is  practical  while  using  a  multipole 
output  filter  to  reduce  the  residual  ripple.  Figure  20 
shows  how  to  construct  a  5  Hz,  3-pole  Bessel  filter  with 
constant  phase  using  the  AD637's  uncommitted  unity- 
gain  buffer.  Figures  21  and  22  show  simulation  results 
for  the  filter. 
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DETAIL  OF  AD637 
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Figure  20.  You  can  build  a  3-pole  Bessel  filter  using  the 
AD637's  on-chip  buffer. 
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Figure  21.  These  simulation  results  show  amplitude, 
phase,  and  delay  for  the  AD637  ripple  post  filter. 
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Figure  19.  Adding  an  external  preamplifier  enhances  the 
accuracy  of  the  AD637  circuit  for  low  level  inputs.  Here's 
an  AD744  BiFET  op  amp  configured  as  a  gain  of  10 
amplifier. 
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Figure  22.  Results  from  Varying  the  Component  Values 
for  the  AD637  Ripple  Post  Filter 


High  Accuracy  AD637  Circuit  for  Low  Level  (<100  mV 
RMS)  Measurements 

Figure  23  shows  how  to  use  the  preamplifier  and  3-pole 
ripple  post  filter  to  enhance  AD637  accuracy.  With  the 
preamplifier  and  the  offsets  nulled  at  V,N  =  10  mV  at  1 
kHz,  the  circuit's  error  is  less  than  0.5%  of  reading  for 
inputs  from  5  mV  rms  to  500  mV  rms  for  frequencies 
from  40  Hz  to  20  kHz.  The  1%  bandwidth  of  the  AD744 
preamplifier  by  itself  (measured  using  a  Fluke  931 B  RMS 
differential  voltmeter)  is  81  kHz  at  10  mV  input. 
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Figure  23.  By  combining  a  preamplifier  and  a  3-pole  post  filter,  you  can  build  an  AD637  circuit  that  measures  low  level 
signals  with  precision  and  settles  quickly  for  step  inputs. 
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Comparator  hysteresis  can  ex- 
tend the  dynamic  range  of  ac 
signal  measurement  by  au- 
toranging  an  rms-to-dc  con 
verter.  A  circuit  can  be  built  with  a 
dynamic  range  of  80  dB  or  more,  and 
can  resolve  input  signals  from  1  mV 
to  10  V  with  less  than  1%  total  error 
(Fig.  1).  The  circuit  also  maintains 
high  accuracy  while  measuring  vari- 
ous input  waveforms  with  different 
crest  factors,  including  variable 
duty-cycle  pulses.  The  autoranging 
method  can  be  utilized  in  other  sig- 


nal-processing applications  as  well. 

The  AD736  rms-to-dc  converter  is 
a  1-V,  full-scale  device.  Voltage  com- 
parator ICj  can  increase  the  full- 
scale  input  range  to  10  V  automati- 
cally. When  the  rms-to-dc  operating 
range  is  exceeded,  the  comparator's 
hysteresis  switches  in  an  attenuator 
at  the  rms-to-dc  converter's  input. 
Concurrently,  it  adds  a  gain  stage  to 
the  circuit's  output-buffer  amplifier, 
maintaining  a  steady  output  voltage. 

The  comparator  has  two  stable 
overlapping  output  states.  The  lower 


Wide-range 
rms  output 


J.  Low-range 
indicator 
559-01101  001 


II.  THE  DYNAMIC  RANGE  of  ac  signal  measurement  can  be  extended  by 
I  autoranging  an  AD736  rms-to-dc  converter  through  comparator  hysteresis. 


hysteresis-transition  point  is  set  at 
90  mV,  while  the  upper  point  occurs 
at  1  V.  This  minimizes  the  situations 
in  which  a  varying  input  waveform 
produces  a  confusing  or  unstable 
output  state.  The  comparator's  logic- 
high  output  is  typically  4.8  V.  Resis- 
tor-divider network  Rr>  and  R,;  atten- 
uate the  output  by  a  factor  of  4.8,  set- 
ting the  noninverting  input  to  1  V. 
Similarly,  the  comparator's  logic-low 
output  is  typically  0.44  V,  setting  the 
noninverting  input  to  about  90  mV. 

For  input  signals  within  the  100- 
u.V  to  1-V-rms  operating  range  of 
IC,,  the  state  of  the  switches  is  such 
that  the  rms-to-dc  converteris  driven 
directly  from  the  input  signal  and  IC. 
operates  as  a  unity-gain  follower 
buffering  the  output  of  IC,.  When 
the  inverting  input  to  the  compara- 
tor exceeds  1  V  rms,  its  output  goes 
low.  The  analog  switches  are  active 
low,  attenuator  network  R,  and  R2, 
and  the  gain  stage  consisting  of  R:j, 
R4,  and  RK,  are  switched  on. 

R,  and  R.,  attenuate  the  input  sig- 
nal by  a  factor  of  10.  This  means  that 
inputs  between  1  and  10  V  now  fall 
within  the  normal  operating  range  of 
the  rms-to-dc  converter.  The 
AD736's  output  is  then  amplified  by 
10  and  the  true  rms  value  of  the  input 
signal  is  retained.  When  the  output 
signal  drops  below  900  mV  rms,  the 
outputof  IC,  falls  below  90  mV,  com- 
ing within  the  typical  range  of  the 
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passed,  and  the  out- 
put-buffer amp  func- 
tions as  a  voltage  fol- 
lower. 

Due  to  the  circuit's 
attenuation,  the  fre- 
quency response  for 
2  V  acts  similar  to 
that  of  200  mV,  and 
10  V  acts  like  1  V 
(Fig.  2).  This  helps  to 
improve  the  frequen- 
cy response  of  large 
input  signals.  The 
low  frequency  cutoff 
(-3  dB)  is  20  Hz.  With 
the  capacitor  values 
shown,  the  rms  con- 
verter's settling  time 
is  360  ms  for  a  1-V 
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2.  THE  FREQUENCY  RESPONSE  of  Urge  input 

signals  improves  because  the  signals  are  attenuated  by  a  factor 
of  10.  For  example,  the  frequency  response  for  10-V  inputs  is 
the  same  as  for  1-V  signals. 


frequency  cutoff  rises  200  Hz. 

All  measurements  shown  in  the 
figure  are  for  sine-wave  inputs,  and 
all  voltage  specifications  are  peak 
values.  The  circuit  is  calibrated  us- 
ing a  sine-wave  input  greater  than  1 
V  rms.  The  relationship  between 
peak  and  rms  value  is  given  by: 

The  rms  value  of  an  untrimmed 
sine  wave  =  Vp^/v^. 
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Applying  IC  Sample-Hold  Amplifiers 


by 


The  sample-and-hold  (S/H)  function  is  one  which  is  basic 
to  the  data  acquisition  and  A/D  conversion  processes.  A 
S/H  amplifier  circuit  has  two  basic  and  distinct  operational 
states.  In  one  state,  an  input  signal  is  sampled  and  simul- 
taneously transmitted  to  the  output  (SAMPLE).  In  the  sec- 
ond, the  last  value  sampled  is  held  (HOLD)  until  the  input 
is  sampled  again.  In  most  applications,  the  S/H  is  used  as 
a  "front  end"  to  an  A/D  converter  in  data  acquisition  sys- 
tems. Used  as  such,  it  is  the  purpose  of  the  S/H  to  maintain 
the  analog  input  voltage  at  a  constant  level  for  the  period 
of  time  required  to  perform  an  A/D  conversion. 

More  specifically,  the  S/H  is  a  system  functional  block  nec- 
essary in  data  conversion  systems,  where  the  A/D  conver- 
ter in  use  requires  a  constant  and  accurate  analog  input 
during  the  period  of  its  conversion  process.  An  example 
of  such  a  use  is  with  a  successive  approximation  type  A/D. 
Ideally,  the  S/H  "freezes"  the  last  instantaneous  input 
voltage  prior  to  its  HOLD  command,  and  presents  this 
voltage  unaltered  to  the  A/D  converter.  The  A/D  then  con- 
verts the  voltage  to  a  corresponding  digital  word.  In  prac- 
tice, there  are  many  error  factors  which  come  into  play  in 
the  process  of  implementing  a  S/H.  Thus  this  application 
note  will  discuss  these  basic  considerations,  as  well  as 
representative  device  topologies  and  some  representa- 
tive applications. 

BASIC  OPERATION  OF  S/H  AMPLIFIERS 

Some  S/H  basics  are  illustrated  by  Figure  1,  with  the  most 
basic  form  of  S/H  circuit  operation  diagrammed  in  1a. 
Here,  an  analog  input  signal  to  be  digitized  is  applied  di- 
rectly to  the  electronic  switch,  S1 .  Depending  on  the  state 
of  SI,  the  signal  will  be  either  transmitted  to  the  holding 
capacitor,  CH,  or  it  will  be  blocked.  The  state  of  switch  S1 
is  controlled  by  the  S/H  control  line,  which  is  a  digital 
input. 

When  S1  is  closed,  the  input  signal  appearing  across  CH 
is  buffered  by  A1 .  It  also  appears  at  the  S/H  output  (possi- 
ble low-pass  filter  effects  are  disregarded  for  this  discus- 
sion). If  S1  is  connected  for  a  period  of  time  as  the  input 
varies  (as  with  an  ac  waveform),  the  operation  may  also 
be  said  to  be  tracking;  that  is,  any  input  changes  are  also 
transmitted  to  the  output. 


Wart  Jung 


a.  A  Basic  S/H  Circuit,  Consisting  of  Switch,  Hold 
Capacitor,  and  Buffer  Amplifier 


INPUT  8EING 
SAMPLED 


S/H 
CONTROL 


S/H 
OUTPUT 


b.  S/H  Waveforms  Showing  the  Input  Being  Sampled 
(Top),  the  S/H  Control  (Middle/,  and  the  S/H  Output 
(Bottom) 

Figure  1.  S/H  Basics 

When  SI  is  opened,  the  last  input  voltage  value  is  retained 
on  CH  as  a  charge;  that  is,  it  is  held.  A1  continues  to  read 
this  voltage  until  the  next  SAMPLE  period.  This  action  is 
illustrated  by  the  input,  output,  and  control  waveforms  in 
Figure  1  b.  S/H  circuits  are  used  for  a  wide  variety  of  signal- 
processing  functions;  not  only  A/D  interfaces,  but  also 
more  general  analog  memory  functions  such  as  auto-zero 
amplifiers  can  be  implemented. 

The  S/H  operational  waveforms  of  Figure  1b  are  nearly 
ideal  and  assume  perfect  switching,  perfect  tracking,  ideal 
holding  characteristics,  and  load/source  immunity.  In 
practice,  S/H  errors  are  found  to  exist  for  each  of  the  four 
states  of  the  device.  These  states  are: 

(1)  HOLD-to-SAMPLE  transition 

(2)  SAMPLE  interval 

(3)  SAMPLE-to-HOLD  transition 

(4)  HOLD  interval 
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These  errors  are  obviously  potentially  important  to  many 
applications,  and  for  high  accuracy  applications  (>1 0  bits, 
or  accuracies  of  0.1%  or  less),  all  are  important.  They  are 


HOLD-TO-SAMPLE  TRANSIENT 


HOLD-TO-SAMPLE  TRANSITION  ERRORS 


These  errors  are  associated  with  the  time  interval  when 
the  device  is  switched  from  the  HOLD  state  to  the  SAMPLE 
state.  Since  the  input  may  have  changed  a  large  amount 
since  the  last  sampled  voltage  (i.e.,  by  as  much  as  full 
scale),  the  S/H  must  reacquire  the  input  signal  and  settle 
once  again  to  within  its  rated  accuracy  band.  This  is 
shown  in  Figure  2. 

Acquisition  time  is  the  time  required  for  the  S/H  to  acquire 
and  then  track  the  input  signal  after  the  SAMPLE  com- 
mand. It  is  usually  specified  for  a  full  scale  level  change 
( -  10V  to  +  10V  and  vice  versa),  since  this  represents  the 
worst  case  in  terms  of  time  necessary  to  acquire  an  arbi- 
trary level  signal.  The  output  must  assume  the  desired 
level  to  within  a  rated  error  band  consistent  with  the  level 
of  accuracy  required  for  the  conversion  or  sample.  For  ex- 
ample, this  may  be  0.01%  or  0.1%.  An  illustration  of  a 
HOLD-to-SAMPLE  acquisition  waveform  is  shown  in 
Figure  2a. 

„ OVERSHOOT 


ACQUISITION  TIME 


i  SAMPLE 


 HOLD 


Figure  2a.  HOLD-to-SAMPLE  Node  Acquisition  Time 
Showing  Acquisition  of  a  New  Signal  (Top),  and  the 
S/H  Control  (Bottom) 

A  major  portion  of  acquisition  time  for  large  HOLD-to- 
SAMPLE  changes  will  betaken  up  by  an  initial  slewing  in- 
terval. After  this  high  error  interval,  the  output  may  over- 
shoot, whereupon  it  will  settle  to  within  a  rated  accuracy 
band  of  ±2mV,  which  would  be  ±0.01%  for  a  20V  scale 
for  example.  Note  that  acquisition  time  ends  when  the 
signal  has  settled  and  remains  within  the  rated  error 
band. 

Acquisition  time  is  the  major  HOLD-to-SAMPLE  error 
component  and  is  the  primary  determinant  of  how  fast 
the  S/H  portion  of  a  conversion  system  can  be  operated. 
Typical  times  are  on  the  order  of  several  microseconds  to 
accuracies  of  0.1%  or  0.01%  or  better.  Acquisition  time  is 
strongly  dependent  upon  the  value  of  the  holding 
capacitor  used  as  this  capacitance  (usually)  influences 
slew  rate. 

Illustrated  in  Figure  2b  is  the  HOLD-to-SAMPLE  transient, 

a  switching  transient  produced  at  the  time  of  the  transfer 
from  HOLD  into  SAMPLE  mode.  Note  that  this  transient 
will  be  present  even  in  the  case  where  there  is  no  large  dif- 
ference between  the  previously  held  voltage  and  the  new 


'band' 


Figure  2b.  HOLD-to-SAMPLE  Mode  Transient,  and 
Settling  Time 

sample.  Since  the  amplitude  of  this  transient  may  be  well 
in  excess  of  the  rated  S/H  accuracy  (as  much  as  several 
hundred  millivolts),  it  must  be  allowed  a  sufficient  time 
period  to  die  out  before  the  output  voltage  sample  can  be 
considered  valid. 

Since  the  settling  time  of  this  transient  continues  beyond 
the  initiation  of  the  HOLD-to-SAMPLE  command,  system 
timing  must  allow  for  this.  However,  in  practice  the  set- 
tling time  associated  with  any  HOLD-to-SAMPLE  trans- 
ients will  typically  be  much  less  than  that  of  acquisition 
time.  Thus,  a  time  interval  equal  to  the  worst  case  (or  ac- 
quisition time)  will  usually  take  into  account  the  HOLD-to- 
SAMPLE  transient  error  and  its  associated  settling  time 
automatically. 

SAMPLE  ERRORS 

During  the  SAMPLE  interval,  the  S/H  device  is  tracking  the 
input  signal  in  a  fashion  which  is  very  much  like  an  op 
amp.  In  fact,  most  S/H  devices  are  either  specialized  op 
amps  or  they  are  constructed  using  op  amps  with  charac- 
teristics which  are  particularly  suited  to  S/H  use.  There- 
fore, since  most  S/H  amplifiers  reduce  to,  or  are  equiva- 
lent to  either  an  op  amp  voltage  follower  or  an  inverter, 
their  SAMPLE  mode  errors  can  be  calculated  in  a  similar 
fashion. 

Pure  scaling  errors  within  a  S/H  can  generally  be  regarded 
as  a  benign  error  as  they  by  and  large  can  be  easily  nulled 
with  a  calibration  adjustment.  Usually,  a  convenient  point 
for  this  to  be  done  is  at  the  A/D  reference  as  this  can  re- 
move all  of  the  system  scaling  errors  at  once.  Of  course, 
this  approach  applies  to  the  conventional  usage,  i.e.,  one 
S/H  per  A/D.  If  a  number  of  S/H's  are  used  in  front  of  an 
A/Dor  if  a  S/H  is  just  being  used  as  part  of  another  circuit, 
it  may  need  to  be  gain  trimmed  locally  via  gain  scaling  re- 
sistors. 

In  any  event,  the  worst  case  deviation  from  the  ideal  S/H 
scale  factor  must  be  known  for  use  in  the  error  budget. 
Typically,  the  scale  factor  will  be  1  ±  an  error  of  0.001% 
or  less.  That  is,  the  type  of  gain  error  associated  with  a 
voltage  follower  hookup. 

In  the  case  where  gain  resistors  are  used,  such  as  when 
the  S/H  is  to  be  used  for  noninverting  gains  other  than 
unity,  resistor  tolerances  will  increase  this  error  substan- 
tially. For  inverting  mode  operation  S/H's,  gain  scaling  re- 
sistors must  be  used,  regardless.  In  either  case,  it  is  highly 
advantageous  to  have  application  resistors  on  the  S/H 
chip,  since  they  will  have  higher  pretrimmed  accuracies 
and  a  specification  for  their  worst  case  drifts.  The  trend  of 
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recent  devices  is  towards  sets  of  pretrimmed  resistors  to 
accommodate  popular  gains  of  - 1 ,  +  2,  etc. 

Note  that  while  a  true  gain  (scaling)  error  can  be  adjusted 
by  a  system  scale  calibration,  a  gain  nonlinearity  is  a  non- 
trimmable  error. 

Gain  nonlinearity  is  a  critical  S/H  error  and  it  appears  as 
a  deviation  from  the  ideal  transfer  characteristic.  This 
component  is  the  dynamic  deviation  from  the  ideal 
numeric  S/H  gain  (i.e.,  +1,  +2,  -1,  -2,  etc.)  as  the  unit 
is  exercised  over  its  rated  signal  output  range,  usually 
±10  volts.  Its  largest  component  is  usually  input  stage 
common-mode  error  which  will  be  typical  of  the  case  of 
a  follower  type  hookup  (by  and  large  the  most  prevalent). 
In  the  case  of  an  inverter  type  hookup,  the  common-mode 
errors  disappear,  but  resistor  matching  errors  can  be- 
come an  error  source. 

Typical  S/H  nonlinearity  figures  are  0.001%  to  0.01%  over 
the  ±10V  signal  range.  Obviously,  the  S/H  nonlinearity 
must  be  better  than  the  overall  nonlinearity  as  established 
by  the  A/D  in  use  to  preserve  system  performance.  A  good 
rule  of  thumb  for  S/H  nonlinearity  is  a  figure  of  an  order 
of  magnitude  better  than  the  basic  converter  resolution. 
For  example,  a  S/H  nonlinearity  of  0.01%  or  better  would 
be  used  with  a  10-bit  converter.  Note  that  the  user  may 
need  to  calculate  nonlinearity  from  the  S/H's  CMRR,  such 
as  an  80dB  CMRR,  equivalentto  0.01%  nonlinearity. 

Offset  is  the  dc  shift  which  occurs  between  the  input  and 
the  output  with  the  S/H  input  grounded.  It  is  usually  ad- 
justable to  zero  via  an  optional  trimpot.  Atypical  dc  offset 
specification  will  be  on  the  order  of  ±2mV  or  less.  Pure 
offset  by  itself  is  not  usually  a  major  problem  with  S/H  ap- 
plications, as  it  can  always  be  trimmed  to  zero  as  part  of 
the  overall  system  calibration.  This  can  be  part  of  the  A/D 
trim  calibration,  either  done  manually  or  via  software. 

Offset  temperature  drift  is  another  story,  since  it  cannot 
readily  be  distinguished  from  real  signal(s).  Unless  an 
auto-zero  calibration  cycle  is  included,  S/H  offset  drift  will 
be  a  nonreducible  error  component  and  will  cause  errors 
as  temperature  varies.  Drifts  for  S/H's  are  typically  on  the 
order  of  1  to  10(jlV/°C,  so  this  error  can  be  a  serious  one 
either  for  the  higher  accuracies  or  for  wide  temperature 
ranges. 

S/H  offset  voltage  will  also  vary  with  supply  voltage  to 
some  degree,  and  this  should  also  be  specified.  Typically, 
supply  rejection  is  on  the  order  of  80dB  or  100(ivW.  This 
parameter  is  usually  not  of  major  importance  with  well 
regulated  supplies  or  with  the  use  of  auto-cal  cycles. 

Settling  time  is  applicable  to  the  SAMPLE  mode  for  rapid 
input  voltage  changes.  When  tracking  an  input  signal,  a 
S/H  is  governed  by  dynamic  limitations  similarto  other  op 
amp  configurations. 

Settling  time  is  governed  by  slew  rate  and  small  signal 
bandwidth,  with  slew  rate  being  dominant  for  large  scale 
step  changes.  Typical  slew  rates  are  5  to  10V/|xs,  and  set- 
tling times  in  the  5-10u.s  region.  As  noted  under  acquisi- 
tion time,  the  exact  specifications  are  strongly  dependent 
upon  the  holding  capacitor. 


SAMPLE-TO-HOLD  TRANSITION  ERRORS 
Aperture  time  or  aperture  delay  is  the  time  which  elapses 
between  the  point  when  a  HOLD  command  is  issued  and 
the  actual  opening  of  the  S/H  switch.  With  a  rapidly  chang- 
ing input  voltage,  this  time  will  introduce  an  error  by  de- 
termining the  voltage  which  is  actually  held.  The  resulting 
voltage  error  will  be  equal  to  the  change  in  input  voltage 
which  occurs  during  the  effective  aperture  time  interval. 

Figure  3  generally  illustrates  aperture  time  related  errors, 
of  which  Figure  3a  shows  how  aperture  delay  creates  an 
error  in  the  voltage  held.  With  a  high  rate-of-change  input 
voltage,  the  S/H  voltage  will  be  changing  by  an  amount 
which  may  be  approaching  1/2LSB  during  the  time  the 
switch  is  passing  from  on  to  off. 


[--—APERTURE  TIME 
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Figure  3a.  Aperture  Related  Time/Voltage  Errors.  Analog 
Input/Output  at  Top,  SAMPLE/HOLD  Drive  at  Bottom. 

As  a  general  example  of  the  effect  of  aperture  time,  con- 
sider an  input  signal  with  a  rate  of  change  (signal  slope) 
of  1  V/|iS  which  is  sampled  with  a  10ns  aperture  time.  This 
will  result  in  a  10mV  sampled  error  due  to  the  aperture 
time  related  dV/dt  error. 

This  sort  of  error  is  usually  significant.  The  effective  aper- 
ture delay  can  be  compensated  by  advancing  the  in  sys- 
tem HOLD  command  timing  the  amount  of  nominal  aper- 
ture delay,  but  this  is  notthe  entire  picture. 

If  the  nominal  aperture  delay  is  subtracted,  the  remaining 
error  is  known  as  the  aperture  jitter  (or  uncertainty)  which 
is  the  true  limit  to  S/H  sampling  errors  with  high  signal 
slope  inputs.  Aperture  jitter  is  defined  as  the  net  variation 
in  the  actual  S/H  switch  timing  from  sample  to  sample. 
This  jitter  places  the  ultimate  limit  on  aperture  timing  re- 
lated error.  For  the  1  V/|xs  slew  rate  example,  a  1ns  aper- 
ture jitter  would  result  in  a  ±  ImV  voltage  uncertainty. 

A  general  relationship  showing  the  limiting  aperture  time 
and  the  resulting  allowable  full  scale  level  sine-wave 
input  frequency  can  be  drawn.  This  is  shown  in  Figure  3b. 
This  graph  is  based  upon  the  maximum  (full  scale)  sine- 
wave  input  frequency  which  will  result  in  no  more  than 
1/2LSB  of  error.  This  frequency,  f  max,  is  calculated  as: 

fmax=1/[2<n  +  1'TTta]  (1) 
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Figure  3b.  Maximum  Input  Sine  Wave  Frequency  (fmax) 
at  Full  Scale  Level,  for  Various  Aperture  Times  and 
Resolution(s) 

where  ir  =  3.14,  ta  is  the  limiting  aperture  time,  and  "n" 
is  the  resolution  of  the  converter  in  bits. 

Since  the  data  is  for  a  limiting  aperture  case,  it  can  be  used 
for  an  A/D  with  a  S/H  or  for  an  A/D  operating  alone.  In  the 
latter  case,  the  A/D's  conversion  time  will  define  the  effec- 
tiveaperturetime. 

The  data  clearly  illustrates  the  value  of  a  S/H  for  maximiz- 
ing the  allowable  input  frequency.  A  IOlis  8-bit  A/D  with- 
out a  S/H  can  only  accept  a  maximum  input  frequency  of 
roughly  60Hz.  On  the  other  hand,  with  the  use  of  only  a 
100ns  aperture  S/H,  the  same  A/D  can  accept  a  6kHz 
maximum  frequency.  Note  also  a  more  general  relation- 
ship; as  the  conversion  resolution  is  increased,  fmax  is 
lowered  for  a  given  conversion  time.  Therefore,  the  need 
for  a  S/H  becomes  more  critical  as  either  resolution  or  fre- 
quency is  increased. 

Obviously,  the  lower  the  aperture  time  in  a  S/H,  the  better, 
as  it  will  place  less  of  a  limit  on  the  A/D  used  with  it.  While 
the  times  quoted  for  illustration  are  typical  for  medium 
speed  I.C.  S/H  circuits,  they  are  not  the  final  limit  to  system 
timing  since  the  maximum  throughput  frequency  will 
often  occur  before  the  aperture  time  limited  frequency. 

S/H  offset  (also  called  S/H  "pedestal",  "jump"  or  "step") 
is  the  resulting  analog  error  induced  by  a  transient  charge 
on  the  HOLD  capacitor  when  the  S/H  switches  from  SAM- 
PLE-to-HOLD.  It  is  caused  by  the  finite  capacitance  of  the 
S/H  switches  used,  and  to  a  lesser  extent,  the  layout  and/ 
or  package  capacitances.  These  capacitances  feed 
through  a  portion  of  the  digital  control  signal  directly  into 
the  HOLD  capacitor.  In  general,  this  error  can  be  reduced 


with  larger  value  HOLD  capacitors  since  the  parasitic  cou- 
pling capacitance  is  fixed  within  a  given  device  and  lay- 
out. The  effect  is  illustrated  in  Figure  4. 

S/H  OFFSET 

lNpUT;  I  !  ACTUAL  HELD  VOLTAGE 

OUTPUT  j  ^  IDEAL  HELD  VOLTAGE 

S/H  j 
CONTROL  1  SAMPLE 

I  HOLD 

Figure  4.  SAMPLE-to-HOLD  Offset  (Top),  and  S/H  Control 
(Bottom) 

This  error,  which  may  be  on  the  order  of  several  mV,  can 
in  some  cases  be  compensated  for  by  feeding  an  anti- 
phase control  signal  into  the  HOLD  capacitance  via  a 
small  external  coupling  capacitor.  Generally,  this  error  is 
reducible  by  reducing  the  p-p  level  of  the  digital  control 
signal  to  an  absolute  minimum  as  well  as  by  screening/ 
guarding  the  coupling  paths  between  this  signal  and  the 
CH  node. 

Note  that  SAMPLE-to-HOLD  offset  may  not  always  be  di- 
rectly specified  as  such,  particularly  in  IC  devices  which 
use  external  holding  capacitors.  In  such  cases,  a  specifica- 
tion may  be  given  in  terms  of  charge,  in  units  of  pC.  In 
these  cases,  the  S/H  offset  may  be  then  calcu  lated  as : 

S/H  offsets  =  Charge  (pC)/CH  (pF)  (2) 

A  lOpC  charge  transfer  with  a  lOOOpF  CH  would  for  exam- 
ple cause  a  S/H  offset  of  lOmV.  Obviously,  the  lower  the 
charge  transferred,  the  lower  this  error  will  be.  In  better 
units,  charge  transfer  is  as  low  as  1  pC  or  less. 

S/H  offset  can  initially  be  considered  as  a  trimmable  error, 
just  as  can  pure  dc  offset.  If,  however,  it  should  change 
with  time,  input  voltage,  and/or  temperature,  these  in- 
stabilities must  also  be  considered.  In  some  S/H  units 
which  use  floating  switches  (see  Figure  7b,  type  2),  the  S/ 
H  offset  will  change  with  the  value  of  the  input  signal.  This 
is  obviously  not  desirable,  as  it  is  difficult  if  not  impossible 
to  compensate.  S/H  type  3  (Figure  7c)  does  not  show  this 
problem,  as  the  switch  is  maintained  at  a  constant  level 
(a  virtual  ground). 

Sample-to-hold  settling  time  is  time  for  the  S/H  output  to 
settle  to  within  its  rated  accuracy  following  the  HOLD 
command.  It  includes  the  time  required  for  any  switching 
transienttodieout. 

HOLD  INTERVAL  ERRORS 

Droop,  also  called  tilt,  is  the  change  in  the  HOLD  voltage 
(AV)  during  the  HOLD  interval  (At).  It  is  caused  by  the  net 
leakage  current(s)  into  (or  from)  the  HOLD  capacitor. 
Since  the  currents  which  cause  droop  may  be  of  either 
sign  from  one  S/H  to  the  next,  droop  current  will  cause  the 
voltage  on  the  capacitor  to  ramp  either  up  or  down,  as 
shown  in  Figure  5.  However,  it  is  the  magnitude  of  the 
error  over  the  HOLD  interval  and  not  the  sign  that  is  im- 
portant. Droop  is  governed  by  the  simple  charge/voltage 
relationship: 

AV/At  =  lL/CH  (3) 
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Figure  5.  Droop  Error  Voltage  (Top),  and  S/H  Control 
(Bottom).  Note  that  "Droop"  Can  Be  Either  Positive  or 
Negative. 

where  lL  is  the  leakage  current  and  CH  is  the  HOLD 
capacitor  value.  As  an  example,  a  1  nA  droop  current  with 
a  CH  of  100pF  will  cause  a  droop  rate  of  10u.V/(is.  Over  a 
HOLD  period  of  1 0u-s,  this  will  yield  a  max  droop  error  of 
100u.V  which  is  not  likely  to  be  a  problem. 

Within  a  given  S/H  device,  the  current  lL  is  given  by  a 
specification,  but  CH  is  (usually)  under  user  control. 
Therefore,  droop  can  be  adjusted  by  CH  and  will  become 
smaller  as  CH  is  increased. 

There  is  a  tradeoff,  however.  As  CH  is  increased  to  lower 
droop,  this  typically  results  in  longer  acquisition  times. 
This  is  because  the  current  needed  to  charge  CH  for  ac- 
quisition slewing  is  fixed.  As  a  result,  it  is  usually  desira- 
ble to  hold  the  leakage  current  lL  as  small  as  is  practical 
in  order  to  minimize  droop.  Typically,  this  parameter  will 
be  due  to  the  S/H  output  amplifier's  input  bias  current  and 
switch  leakage  which  usually  increase  with  temperature. 
Droop  is  worst  at  high  temperatures.  Note  that  the  value 
of  lL  used  to  calculate  droop  should  account  for  this  tem- 
perature dependence  of  net  leakage  current.  With  FET 
input  buffers,  bias  current  doubles  for  each  10°C  rise. 

In  practice,  typical  droop  rates  at  medium  temperatures 
in  a  S/H  will  be  on  the  order  of  1  u.V/u.s,  a  fairly  insignificant 
error.  This  may  not  necessarily  remain  so  when 
maximum  bias  currents  at  the  highest  temperature  are 
calculated.  The  leakage  current  which  will  be  seen  at  the 
highest  expected  temperature  can  be  calculated  in  order 
to  determine  the  worst  case  droop  rate. 

Feedthrough  is  an  analog  error  caused  by  leakage  of  ac 
signals  through  the  S/H  switch  in  the  HOLD  (off)  state.  Like 
S/H  offset,  it  is  basically  caused  by  switching  capacitance 
but  it  can  also  be  influenced  by  layout  dependent  capaci- 
tive  coupling.  Since  the  switch  capacitance  and  the  HOLD 
capacitance  form  a  voltage  divider,  feedthrough  de- 
creases for  higher  values  of  HOLD  capacitance  just  like 
droop  and  S/H  offset.  The  effect  of  feedthrough  is  shown 
in  Figure 6. 

Feedthrough  is  usually  specified  with  a  full  scale  peak-to- 
peak  sine-wave  input  at  a  high  frequency,  such  as  10kHz. 
Typically  it  will  be  on  the  order  of  80dB  (or  more)  in  a  good 
S/H.  This  is  equivalent  to  a  feedthrough  error  of  0.01%  (or 
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Figure  6.  Feedthrough  Error  Voltage  (Top),  and  S/H 
Control  (Bottom) 

less).  This  parameter  is  important  in  cases  where  the  S/H 
follows  a  multiplexer  which  can  select  high  level  inputs 
during  the  HOLD  state  and  potentially  cause  errors  due  to 
the  signal  feedthrough. 

DIELECTRIC  ABSORPTION 

With  some  common  capacitor  types,  the  dielectric  does 
not  completely  release  all  of  its  energy  after  a  charge/dis- 
charge cycle.  The  result  of  this  phenomenon  is  an  error  in 
stored  voltage  after  a  period  of  time  in  the  HOLD  mode. 
This  effect  is  minimized  using  certain  dielectrics,  in  par- 
ticular, the  films.  Dielectrics  specified  for  low  DA,  such  as 
Teflon,  polystyrene,  and  poly  propylene  should  be  used. 
Note  that  consideration  of  DA  will  be  most  applicable  in 
S/H's  which  either  use  an  external  CH  or  where  an  external 
CH  is  used  to  augment  an  internal  one. 

DRIFT  AND  NOISE 

A  S/H  can  possess  different  drift  characteristics  in  the 
HOLD  mode  than  those  in  the  SAMPLE  mode.  In  the  HOLD 
mode,  the  output  terminal  sees  only  the  drift  of  the  output 
buffer  amplifier.  In  the  SAMPLE  mode,  it  sees  either  the 
input  amplifier  alone  or  the  composite  drift  of  two  series 
amplifiers. 

Ordinarily,  this  different  drift  characteristic  for  HOLD  ver- 
sus SAMPLE  is  not  detrimental.  A  conversion  is  usually 
made  within  a  few  microseconds,  long  before  drift  errors 
due  to  temperature  can  be  a  problem.  For  unusually  long 
HOLD  times,  it  may  need  to  be  considered. 

Noise,  however,  can  be  a  different  story.  Consider  the  S/H 
types  2  and  3  of  Figure  7,  for  example,  when  in  the  HOLD 
mode.  If  the  output  amplifier  has  excessive  noise,  it  will 
be  seen  during  HOLD  and  digitized  along  with  the  desired 
signal.  If  this  noise  is  high  and  the  converter  linearity  is 

not  well  below  1/2LSB,  certain  codes  will  be  in  error  due 

.         .  it  ■■    i  • .  •  •■.      p  none 
to  noise  modulation. 

MOSFET  input  buffers  are  used  in  some  S/H's  for  their 
very  low  input  currents.  Unfortunately,  these  types  often 
have  relatively  high  input  voltage  noise  which  can  limit 
overall  accuracy  for  some  applications.  JFET  inputs  will 
not  have  as  low  an  input  current  as  MOSFETs,  but  will 
have  appreciably  lower  noise  voltages. 
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S/H  DESIGN  TYPES 

There  are  great  numbers  of  S/H  devices  available  today. 
Except  for  the  very  highest  limits  of  performance,  most  of 
them  tend  to  fall  into  a  few  categories  of  design  to- 
pologies. These  are  illustrated  below  with  a  brief  discus- 
sion on  each.  An  understanding  of  the  different  circuit 
types  is  helpful  in  choosing  a  S/H  best  suited  for  a  given 
application. 

Similar  to  the  elementary  circuit  of  Figure  1a,  the  circuit 
of  Figure  7a  is  an  actual  S/H  amplifier  type.  Here  A1,  CH, 
and  the  switch  operate  as  described  before,  but  an  input 
stage  buffer  A  2  is  also  added. 


Figure  7a.  Open  Loop,  Cascaded  Follower  S/H  (Type  1) 

The  addition  of  the  buffer  provides  increased  charging 
current  for  CH.  This  provides  faster  acquisition  time  with- 
out loading  the  source.  In  this  S/H  type,  both  amplifiers 
must  have  high  slew  rates,  fast  settling  times,  low  offset 
voltages  and  low  drift  for  best  accuracy,  since  these  errors 
are  cumulative.  A1  should  be  a  FET  input  device  to 
minimize  loading  of  CH,  but  this  is  not  necessarily  true  for 
A2.  This  S/H  type  tends  to  be  good  for  high-speed  acquisi- 
tion uses. 

The  S/H  configuration  of  Figure  7b  has  the  advantage  that 
an  overall  feedback  loop  is  returned  around  both  ampli- 
fiers in  the  SAMPLE  mode.  As  a  result,  the  errors  of  A1  are 
minimized  forthe  SAMPLE  state,  although  they  do  appear 
in  the  HOLD  mode.  This  circuit  has  potentially  higher  ac- 
curacy, but  with  some  potential  sacrifice  in  overall  settling 
characteristic  due  to  the  multistage  loop  dynamics. 


Figure  7b.  Closed  Loop,  Follower  Output  S/H  (Type  2) 

Note  that  in  this  type  of  S/H  connection,  the  input  stage 
can  be  wired  to  have  both  the  (  +  )  and  (-)  input  terminals 
available  for  external  options,  although  this  may  not  al- 
ways be  done  in  all  types.  With  this  flexibility,  the  S/H  can 
be  connected  as  either  an  (overall)  inverting  or  noninvert- 
ing  type  S/H.  Application  resistors  may  or  may  not  be 
made  available. 

The  third  circuit  in  Figure  7c  is  similar  in  that  it  connects 
feedback  around  the  two  op  amps  and  in  this  sense  has 
advantages  similar  to  7b.  In  this  case,  the  switch  is  oper- 
ated at  the  virtual  ground  input  of  A1  and  CH  is  an  integ- 
rator capacitor  around  the  output  amplifier  stage. 


Figure  7c.  Closed  Loop,  Integrator  Output  S/H  (Type  3) 

Note  that  in  this  type  of  S/H  connection,  the  input  stage 
can  also  have  both  the  ( + )  and  ( - )  input  terminals  avail- 
able for  use  as  previously  noted.  Therefore,  this  type  can 
be  connected  as  either  an  (overall)  inverting  or  noninvert- 
ing  type  S/H. 

S/H  APPLICATIONS 

Implementing  a  conversion  system  with  modern  A/D  and 
S/H  devices,  while  never  trivial,  can  be  greatly  aided  by 
the  applications  versatility  of  the  hardware  employed. 
The  12-bit  stand-alone  A/D  +  S/H  conversion  system  of 
Figure  8a  is  an  example  of  a  hookup  which  is  easy  to  im- 
plement as  shown  but  can  also  be  easily  modified  for 
other  scales,  etc. 

This  circuit  uses  an  AD585  S/H,  connected  in  the  nonin- 
verting  unity  gain  mode,  with  HOLD  active.  The  A/D  is  an 
AD574A  connected  for  a  unipolar  0  to  +  10V  scale,  with 
system  GAIN  and  OFFSET  calibration  set  by  R2and  R1f  re- 
spectively. The  STATUS  output  of  the  AD574  drives  the 
HOLD  input  of  the  AD585  A1,  for  the  lowest  possible  S/H 
offset.  This  requires  inversion  in  the  TTL  stage. 

As  shown,  conversion  is  started  by  a  CONVERT  signal  and 
begins  on  the  falling  edge,  whereupon  the  STATUS  line 
goes  HIGH  and  the  S/H  goes  to  HOLD.  For  a  12-bit  conver- 
sion, the  AD574A  will  require  35  (max)  p.s  to  perform  a 
conversion.  The  end  of  conversion  is  signaled  by  a 
STATUS  LOW  signal. 

The  A/D  calibration  trims  shown  provide  for  change  of 
system  gain  and  offset,  sufficient  to  accommodate  both 
S/H  and  A/D  errors. 

The  maximum  throughput  time  of  this  system  is  based  on 
three  factors,  as  it  is  represented  here.  These  are:  the  A/D 
conversion  time  and  the  S/H  aperture  delay  and  acquisi- 
tion time.  The  conversion  time  will  be: 

T  =  tc  +  tad  +  tocq  (4) 

Respectively,  these  individual  times  will  be  35|xs  +  35ns 
+  3(xs,  or  38.035ns,  total.  Maximum  throughput  fre- 
quency can  be  calculated,  as  the  inverse  of  this  time,  as: 

fthroughput  =  1/T  (5) 

=  26.3kHz 

This  frequency  assumes  a  single  sample  per  cycle;  to 
meet  the  Nyquist  criteria  of  2  data  points  per  cycle,  the  fre- 
quency would  be  halved.  (Note  also  that  any  additional 
settling  time  period  preceding  the  S/H  also  may  need  to 
be  accounted  for  and  can  include  an  IA  and/or  a  multi- 
plexer, when  used.) 

A  source  of  potential  error  in  the  application  of  high- 
speed successive  approximation  A/D's  with  S/H  ampli- 
fiers is  a  kickback  error  from  the  A/D.  A  successive 
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Figure  8a.  Stand-Alone  12-Bit  Unipolar  A/D  with  S/H 


approximation  A/D  represents  a  dynamic  load  to  the  S/H, 
and  the  MSB  loading  at  the  start  of  the  conversion  cycle 
can  cause  a  transient  at  the  A/D  input  voltage  (S/H  output) 
due  to  nonzero  S/H  output  impedance.  If  the  S/H  imped- 
ance is  not  sufficiently  low  at  high  frequencies,  the 
kickback  error  canexceed  an  LSB. 

The  solution  to  this  particular  problem  lies  in  the  use  of 
a  S/H  with  an  intrinsically  low  impedance  output  stage  or 
one  with  high  feedback,  for  low  kickback  error.  With  the 
impedance  sufficiently  low  to  render  the  dynamic  voltage 
error  negligible,  A/D  loading  will  not  cause  a  problem.  The 
AD585  output  stage  has  been  designed  for  a  low  dynamic 
output  impedance  to  minimize  this  error.  As  a  demonstra- 
tion of  this,  an  expanded  scale  photo  of  an  AD585  output 
driving  an  AD574A  during  conversion  is  shown  in  Figure 
8b.  Note  that  the  negative  going  transient  error  at  the 
MSB  switch  point  is  both  low  and  short  in  its  duration. 


e™ 

L 

■ 

Figure  8b.  Output  of  AD585  S/H  Amplifier  Driving 
AD574A,  MSB  Transition 


For  applications  which  demand  both  a  fast  acquisition 
time  and  a  low  droop  rate,  these  conflicting  performance 
parameters  can  be  met  together  using  a  cascaded  S/H. 
Figure  9  shows  such  a  circuit  with  the  HOLD,  and  HOLD2 
control  lines  driven  as  shown  in  the  timing  diagram.  The 
basic  idea  is  that  the  first  S/H  of  the  cascade  acquires  the 
input  rapidly  before  the  second  has  time  to  settle  to  its 
rated  accuracy.  The  first  S/H  is  then  put  into  HOLD  and  the 
second  one  continues  to  acquire  the  "input"  as  it  appears 
at  the  output  of  the  first  (fast)  S/H.  Since  this  constitutes 
a  series  path  for  the  input  signals,  the  errors  of  the  two 
S/H's  are  additive. 

This  circuit  uses  two  series  connected  AD585's  with  the 
first  one  configured  normally  for  fast  acquisition.  Using 
the  internal  capacitor  of  the  AD585,  this  stage  will  have  a 
1mV/ms  (max)  droop  rate.  This  stage  samples  for  a  5u-s 
period  (the  width  of  the  HOLD!  signal).  The  second  S/H 
samples  the  output  of  the  first  for  500u.s  or  the  width  of 
HOLD2.  During  this  500lls  period,  the  output  of  the  first 
stage  will  droop,  up  to  0.5mV.  This  is  generally  the  HOLD2 
width  (in  ms),  times  ImV/ms. 

The  second  AD585  uses  a  O.OIllF  external  CH,  which  will 
minimize  droop  of  this  stage  by  a  factor  of  100  (the  ratio 
of  the  second  to  first  stage  CH's).  The  effective  droop  of 
the  entire  circuit  then  becomes  0.5mV  (first  stage),  plus 
0.01  m  V/ms  (second  stage).  For  HOLD  intervals  in  the  sec- 
ond stage  of  up  to  tens  of  ms,  the  net  droop  of  this  cas- 
caded S/H  will  therefore  be  close  to  that  seen  in  the  500u.s 
interval,  or  in  this  case,  =0.5mV. 

Of  course,  the  tradeoff  of  this  scheme  is  that  the  overall 
signal  throughput  is  reduced.  Practically  speaking,  there 
may  be  little  or  no  penalty,  as  the  application  may  be  in- 
tended to  be  used  with  slower  A/D's.  Also,  if  a  number  of 
cascaded  S/H's  are  being  used  before  a  multiplexer,  this 
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scheme  can  be  very  useful,  while  maintaining  a  high  over- 
all throughput  rate  even  if  individual  channels  are  sam- 
pled infrequently.  Note  that  the  effective  fmax  in  terms  of 
aperture  time  of  this  cascade  will  still  be  determined  by 
the  first  of  the  two  S/H's.  In  this  example,  non-inverting 
unity  gain  S/H's  are  shown.  In  principle  either  (or  both) 
S/H  may  be  used  with  other  scales. 

There  are  some  generally  important  practical  rules  for  lay- 
out that  the  user  should  abide  by.  Whenever  an  external 


CH  is  used,  care  should  be  taken  to  surround  the  PC  trace 
associated  with  pin  7  with  a  guard  trace.  This  should  be 
tied  to  analog  ground  and  the  lead  to  this  pin  should  be 
kept  as  short  as  possible.  The  external  CH  should  be  a  low 
DA  capacitor  type,  with  the  outside  foil  connected  to  the 
S/H  output  (pin  8).  Note  also  that  many  S/H  applications 
will  never  require  an  external  CH  or  the  use  of  pin  7.  In 
such  cases,  it  can  be  clipped  off  near  the  package,  which 
will  cut  pickup  to  an  absolute  minimum. 
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Figure  9.  Loop  Droop  Cascade  S/H 
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iscrete  sample-and- 
hold  amplifiers  place 
heavy  demands  on 
operational  amplifi- 
ers. The  op  amps 
must  have  excellent 
ac  performance  and 
promise  good  dc 
specifications.  While 


sampling,  they  must  track  the  input 
signal  without  distortion — a  demand 
for  wide,  full-power  bandwidth. 
When  switching  from  the  hold  to 
sampling  mode  they  should  acquire 
the  signal  quickly.  Here,  high  slew 
rates  and  fast  settling  times  are  vi- 
tal. To  ensure  12-bit  precision  over  a 
wide  operating  temperature  range, 
dc  specifications  such  as  offset  volt- 
age and  offset  voltage  drift  must  be 
low. 

Low  input-bias  current  is  a  manda- 
tory requirement  for  an  op  amp  to  be 
used  in  a  s/h  amplifier.  High  bias 
current  leads  to  excessive  droop 
rates.  Therefore,  s/h  amplifier  cir- 
cuits require  FET-input  amplifiers. 
Typical  FET  designs  have  delivered 
settling  times  of  1  jus  to  0.01%. 


Newer  complementary  bipolar  (CB) 
processes  now  used  to  manufacture 
FET  op  amps  combine  low  picoam- 
pere  bias  currents  with  35  MHz  uni- 
ty-gain bandwidths  and  12-bit  accu- 
rate settling  times  under  130  ns. 
Moreover,  they  work  from  standard 
+  15-V  supplies,  easily  accommodat- 
ing wide  dynamic-range  signals. 

S/h  amplifier  circuits  will  use  one 
of  several  standard  architectures: 
closed-loop  or  open-loop,  and  invert- 
ing or  noninverting  configurations. 
No  matter  what  circuit  type  design- 
ers employ,  they  need  to  incorporate 
a  high-speed  amplifier  to  buffer  the 
input  signal  and  a  switch  to  connect 
and  disconnect  the  input  signal  from 
the  hold  capacitor.  In  addition,  a 
FET-input  amplifier  is  needed  to 
buffer  the  voltage  on  the  hold  capaci- 
tor and  drive  an  a-d  converter. 

Fast,  Simple  Sampling 

Three  low-cost  CMOS  switches, 
two  CB  op  amps,  and  a  few  resistors 
and  capacitors  are  all  that's  needed 
to  build  a  fast,  simple,  low-cost  s/h 
amplifier  from  discrete  IC  op  amps 


II.  A  HIGH-SPEED  SAMPLING  AMPLIFIER  to  be  used  with  a  12  bit,  1™, 
a-d  converter  can  be  built  with  a  pair  of  high-speed  CB  op  amps  from  Analog  Devices,  three 
CMOS  IC  analog  switches,  and  a  handful  of  passive  parts. 
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(Fig.  1).  The  circuit's  full-power 
bandwidth  is  in  excess  of  250  kHz, 
acquiring  a  +5-V  input  signal  in  ap- 
proximately 1  ^s — and  it  can  be  built 
for  about  $15. 

Operating  as  a  unity-gain  voltage 
follower,  op  amp  A1  buffers  the  input 
signal  and  supplies  a  minimum  of  50 
mA  to  charge  the  100  pF  hold  capaci- 
tor, CH1.  Most  older,  fast,  IC  op  amps 
don't  have  nearly  this  output  current 
capacity — it's  needed  to  charge  a  ca- 
pacitor at  high  speed.  In  addition, 
many  fast  op  amps  would  be  unsta- 
ble driving  even  100  pF.  This  buffer, 
an  AD841,  is  unity-gain  stable  and  its 
full  power  bandwidth  is  close  to  5 
MHz. 

Op  amp  A2  does  the  sampling.  It 
keeps  the  sampled  charge  on  the 
hold  capacitor  and  drives  the  next 
link  in  the  system,  for  example  the 
input  of  a  high-speed,  high-resolu- 
tion a-d  converter.  A2,  an  AD845 
FET-input  op  amp,  has  an  input  bias 
current  of  just  500  pA,  slews  at  100 
V//iS,  and  settles  to  within  0.01%  of 
final  value  in  under  250  ns  for  ±5-V 
output  steps. 

The  circuit's  overall  design  em- 
ploys a  noninverting,  closed-loop 
configuration.  Closed-loop  designs 
typically  trade  off  better  accuracy 
and  linearity  for  slower  speed.  In 
most  closed-loop  designs,  the  input 
amplifier  usually  saturates  when  it's 
disconnected  from  the  second  stage. 
This  occurs  because  the  feedback 
loop  is  broken. 

But  this  circuit  overcomes  that 
limitation  by  having  a  separate  feed- 
back path  around  A,  and  a  double- 
pole,  single-throw  switch  at  the  am- 
plifier's input.  When  the  circuit  is  in 
the  "hold"  mode,  the  noninverting 
input  of  A,  switches  to  ground,  driv- 
ing the  amplifier's  output  to  ground 
as  well.  The  drawback  to  the  design, 
however,  is  that  the  s/h  amplifier 
must  return  from  zero  potential  af- 
ter each  hold  time.  This  serves  to 
lengthen  the  acquisition  time. 

CMOS  Switches 

To  minimize  acquisition  time,  the 
circuit's  RC  time  constant,  composed 
of  (Rin  +  the  on-resistance  of  the 
switch)  X  CH1,  should  be  minimal. 
This  requires  switches  with  low  on- 


resistance.  New  generations  of  fast 
CMOS  switches,  such  as  the  DG417 
and  DG419  from  Siliconix,  Santa 
Clara,  Calif.,  offer  on-resistances  of 
35  ft  and  turn  off  in  just  200  ns.  More- 
over, these  high-speed  ICs  operate 
from  +15-V  op  amp  supplies  readily 
accommodating  a  wide-range  of  in- 
put signals. 

The  choice  of  switch  is  a  trade-off 
between  circuit  complexity  and  per- 
formance. Complete  CMOS  switches 
operate  over  a  wide  voltage  range, 
but  they  typically  have  higher 
charge  injection  than  discrete  FETs, 
which  leads  to  larger  pedestal  er- 


ALTHOUGH  RE- 
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EXPENSIVE  HYBRID. 


rors.  They  also  turn  off  and  turn  on 
slower  than  discrete  FETs.  Howev- 
er, CMOS  switches  operate  directly 
from  TTL  or  CMOS  logic  signals, 
eliminating  the  need  for  extra  level- 
shifting  circuitry. 

Pedestal-error  is  a  major  error 
source  in  high-speed  s/h  amplifier 
circuits,  especially  as  the  value  of  the 
hold  capacitor  is  reduced  to  lower  ac- 
quisition time.  When  the  hold-switch 
opens,  it  injects  the  charge  held  on  its 
gate-to-source  parasitic  capacitance 
onto  the  hold  capacitor  changing  the 
op  amp's  output  voltage.  The  change 
in  output  voltage,  AV(1,  seen  by  the 
amplifier  equals: 

Equation  1:  AV()  =  AQ/CH 

where  Q  is  the  charge  in  pieocou- 


lombs  and  CH  is  the  value  of  the  hold 
capacitor,  typically  in  picofarads. 
The  effects  of  charge  injection  are 
significant.  For  example,  injecting 
just  5  pC  of  charge  into  a  hold  capaci- 
tance of  86  pF  causes  a  change  in  out- 
put voltage  of  58  mV— a  24  LSB  er- 
ror for  a  12-bit  a-d  converter  with  a 
+5-V  full-scale  input  range. 

To  reduce  pedestal  error,  a  s/h  am- 
plifier can  employ  a  differential 
mode  of  operation  (Fig.  1  again). 
When  the  circuit  switches  from  sam- 
pling or  tracking  the  input  signal  to 
the  hold  mode,  a  second  hold  switch 
(SW2)  injects  an  equal  charge  onto 
CH2,  balancing  the  effects  of  charge 
injection  on  CH1.  As  a  result,  the  ped- 
estal error  will  be  zero  if  the  switches 
and  capacitors  exactly  match  and  if 
the  amplifier  has  high  common-mode 
rejection.  The  pedestal  error  is  seen 
as  a  common-mode  error  by  the  op 
amp  and  is  rejected. 

Driving  a  virtual  ground  with  the 
hold-switch  (that  is  with  the  storage 
capacitor  CH1  in  the  feedback  loop  of 
an  op  amp),  also  lowers  the  s/h  am- 
plifier's pedestal  errors.  The  charge 
injected  into  the  op  amp's  summing 
node — a  virtual  ground — becomes 
constant  regardless  of  the  input  volt- 
age. The  pedestal  now  also  becomes 
a  constant  that  can  be  trimmed  to 
zero  with  a  potentiometer.  Alterna- 
tively, in  a  system  autozero  mode, 
the  pedestal  can  be  trimmed  with  a 
d-a  converter.  When  used  in  this 
way,  essentially  as  an  integrator,  the 
fast  op  amp  must  be  stable  at  a  noise- 
gain  of  unity. 

Feedthrough  Errors 

Feedthrough  of  the  input  signal  to 
the  output  when  in  the  "hold"  mode 
also  haunts  s/h  amplifiers.  Typical- 
ly, feedthrough  is  a  function  of  the 
input  signal  frequency  and  its  ampli- 
tude. If  the  amplitude  is  less  than  1/2 
LSB,  feedthrough  effects  won't 
show  up  in  the  spectrum  of  the  digi- 
tized signal  because  1/2  LSB  is  be- 
low the  quantization  noise  floor. 
Feedthrough  errors  above  1/2  LSB 
cause  erroneous  codes,  increased  to- 
tal harmonic  distortion  (THD),  and 
lower  signal-to-noise  ratios  (SN  R). 

Feedthrough  error  is  determined 
by  the  equation: 
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Equation  2:  AV„  =  C1)S/CH  AVin 

where  C|)s  is  the  source-to-drain  ca- 
pacitance of  the  switch,  and  V|„  is  the 
peak-to-peak  input  voltage. 

An  obvious  method  to  cut  feed- 
through  is  by  reducing  the  peak-to- 
peak  voltage  seen  by  the  hold  switch. 
"Turning  off"  the  input  buffer  am- 
plifier by  disconnecting  the  ac  signal 
from  the  s/h  amplifier's  input 
achieves  this  with  the  help  of  SW,,  a 
single-pole,  double-throw  switch.  It 
connects  the  noninverting  terminal 
of  op  amp  A,  to  ground  during  the 
hold  mode  and  to  the  input  signal 
during  the  sample  mode.  Therefore, 
SW2  no  longer  sees  a  high-frequency 
+5-V  signal  during  the  hold  mode, 
but  rather  a  "fixed"  dc  potential, 
which  in  this  case  is  ground.  As  a  re- 
sult, feedthrough  is  virtually  re- 
duced to  zero. 

Switching  the  noninverting  termi- 



nal  to  ground  offers  an  added  bene- 
fit. It  drops  the  droop  rate.  Since  the 
potential  across  the  switch  is  zero 
volts  (both  sides  of  the  switch  see  a 
virtual  ground),  there  is  virtually  no 
leakage  current  through  the  open 
switch.  The  droop  rate  is  dependent 
only  on  the  input  offset  current  of 
A2,  20  nA  maximum,  and  charge 
leaking  through  the  capacitor. 

Low-Cost,  1-MHz  Sampler 

Conversion  rates  of  the  latest  gen- 
eration of  high-speed  monolithic  a-d 
converters  have  reached  2  MHz. 
Though  hybrid  s/h  amplifiers  can  de- 
liver the  fast  acquisition  times  de- 
manded by  these  converters,  they 
usually  cost  more  than  the  a-d  con- 
verter itself.  Although  requiring 
more  design  work,  a  discrete  ap- 
proach may  be  a  cost-effective  alter- 
native to  buying  an  expensive  hy- 
brid. 


Another  discrete  approach  em- 
ploys two  high-speed  CB  op  amps,  a 
DMOS  quad  switch,  and  a  few  pas- 
sive components  (Fig.  2a).  The  cir- 
cuit works  with  a  high-speed  a-d  con- 
verter chip,  such  as  the  AD671,  a 
monolithic  12-bit,  500  ns  converter, 
and  delivers  a  throughput  rate  of  1 
Msample/s. 

Even  though  a  high  input  imped- 
ance would  simplify  signal  condition- 
ing, the  s/h  amplifier's  circuit  trades 
off  a  2000-fl  input  impedance  for  the 
lower  distortion  of  an  inverting  con- 
figuration. Noninverting  designs 
are  subject  to  common-mode  errors, 
pedestal  errors  that  are  a  direct  func- 
tion of  input  signal  level,  and  nonlin- 
earities  created  by  the  switch.  All 
three  of  these  errors  can  lead  to 
greater  total  harmonic  distortion 
from  the  s/h  amplifier. 

High-speed  acquisition  is  facilitat- 
ed by  the  fast  DMOS  quad  switch — 
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2.  FOR  THE  ULTIMATE  in  speed  and  accuracy  while  sampling  signals  for  a  12-bit,  1/2  /xs  a-d  converter  (for  example,  the  AD671 ).  it's 
often  best  to  build  a  s/h  amplifier  with  discrete  CMOS  transistor  analog  switches,  such  as  Signetics  SD5001  (a).  Moreover,  the  s/h  amplifier 
must  be  given  time  to  acquire  the  signal  and  settle  (b). 
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the  Siliconix  SD5001  turns  on  in  just 
1  ns.  Biasing  its  body  one  diode-drop 
below  ground  with  the  2N4148  diode 
produces  a  lower  switch  on-resis- 
tance  for  a  given  gate-to-source  volt- 
age. The  switch  also  boasts  a  very 
small  gate-to-drain  capacitance  of 
1.6  pF,  which  further  helps  decrease 
charge  injected  onto  the  hold  capaci- 
tor. The  DMOS  switches'  control  in- 
puts require  at  least  CMOS  logic-lev- 
el complementary  voltages  to  turn 
them  on.  However,  higher  control 
levels  for  the  gates  of  the  switches 
will  improve  performance  by  lower- 
ing the  on-resistance  of  the  switches. 

Because  the  AD845  works  in  a  dif- 
ferentia] mode,  droop  rate  is  a  func- 
tion of  input  "offset"  current  rather 
than  input  "bias"  current.  The 
AD845  is  specified  to  have  a  maxi- 
mum 20  nA  of  input  offset  current. 
Using  the  equation: 


Equation  3:  AW  At  =  i^fse/Cm 

where  CH1  is  the  value  of  the  hold  ca- 
pacitor, will  designate  the  droop 
rate. 

The  voltage  droop  will  be  a  maxi- 
mum 1  mV/jus  and  is  typically  1.25 
u.V/ju.s.  Even  if  this  calculation 
doesn't  factor  in  the  leakage  current 
through  the  switch;  the  gate,  source, 
and  drain  of  the  switch  are  all  close 
to  0  V,  creating  a  low  differential 
voltage  across  it  and  negligible  leak- 
age current. 

Minimizing  Feedthrough 

To  minimize  feedthrough,  the  fast 
s/h  amplifier  uses  a  T-switch  config- 
uration. When  the  circuit  is  in  the 
hold  mode,  the  input  signal  is  shunt- 
ed to  ground  through  one  of  the 
SD5001's  four  switches.  The  switch 
in  series  with  the  250-fl  input  resis- 
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3.  MAXIMUM  THROUGHPUT  RATE  is  achieved  with  .  ping-pong  s/h  amplifier,  where  one 
channel  samples  the  input  while  the  other  is  in  hold  mode  (a).  Using  the  DG542  DMOS  video  switch,  which 
employs  T-type  switches,  minimizes  feedthrough  and  crosstalk  (b). 


tor  acts  as  a  voltage  divider.  With  a 
typical  on-resistance  of  50  (I  and  a 
±1.25-V  input  signal,  the  maximum 
feedthrough  voltage  seen  at  the 
source  terminal  of  the  "hold"  switch 
is  200  mVpk-pk.  The  high  impedance 
of  the  open  switch  further  reduces 
signal  feedthrough  more  than  60  dB. 

Because  resistors  RF  and  Rin  de- 
termine the  gain  of  the  s/h  amplifier, 
designers  can  base  their  value  on  the 
maximum  input  signal  and  the  full- 
scale  input  range  of  the  a-d  converter 
it's  feeding.  The  values  shown  are 
chosen  for  a  gain  of  -4,  which  in- 
creases the  input  amplitude  from 
±1.25  V  to  the  ±5-V  range  of  the 
AD671. 

Even  though  the  AD671  can  per- 
form a  conversion  in  less  than  1  /is, 
it's  necessary  to  allow  the  s/h  ampli- 
fier time  to  acquire  the  signal  and 
then  settle.  However,  the  timing  of 
the  AD671  is  not  con- 
ventional. Its  multis- 
tep  conversion  archi- 
tecture doesn't  re- 
quire the  input  signal 
to  settle  to  12-bit  accu- 
racy until  150  ns  of  its 
conversion  cycle  has 
passed  (Fig.  2b). 

A  ping-pong  s/h  am- 
plifier architecture  im- 
proves throughput  by 
employing  two  sam- 
pling circuits.  While 
one  is  sampling  or  ac- 
quiring a  signal,  the 
other  is  in  hold  driving 
the  a-d  converter  or 
some  other  load  (Fig. 
3a).  It  takes  just  three 
high-speed  IC  op  amps 
and  a  high-speed  IC 
switch  to  build  a  ping- 
pong  configuration. 

The  AD841  op  amp 
A,  follows  the  input 
signal.  The  DG542 
switch,  a  dual  wide- 
band "T"  circuit,  alter- 
nately connects  the  in- 
put buffer  A,  to  one  of 
the  two  output  op 
amps  and  its  storage 
capacitor.  At  the  same 
time,  the  switch  also 
connects  the  amplifi- 
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er's  output  in  hold  mode  to  the  cir- 
cuit's output  Voul.  For  example, 
when  pins  1  and  16  of  the  switch  are 
at  logic  high,  A,  is  tracking  the  input 
signal,  and  its  output  is  disconnected 
from  V„ut.  A;i  and  its  storage  capaci- 
tor hold  an  analog  voltage  and  it's 
output  is  connected  to  Vout.  When  the 
sample  and  hold  command  on  pins  1 
and  16  of  the  switch  goes  to  logic  low, 
the  two  output  amplifiers  switch 
jobs. 

The  ping-pong  technique  offers 
more  than  just  greater  throughput 
rates  to  high-speed  s/h  amplifier  ap- 
plications. For  example,  the  tech- 
nique makes  it  possible  for  designers 
to  increase  the  value  of  the  hold  ca- 
pacitors. Because  the  acquisition  cy- 
cle occurs  in  parallel  with  the  hold  cy- 
cle, the  RC  time  constant  resulting 
from  the  finite  on-resistance  of  the 
switch  and  the  hold  capacitance  no 
longer  limits  throughput  rate.  If  the 
acquisition  time  is  less  than  the  re- 
quired hold-time  for  the  conversion, 
then  the  slew  rate  and  settling  time 
of  the  output  amplifier  limit 
throughput.  The  two  AD843  FET  in- 
put op  amps  slew  at  250  V/jus  and 
settle  to  within  +.017t  of  final  value 
in  130  nsfor±10-V  steps. 

The  choice  of  the  appropriate 
switch  is  critical  in  this  type  of  de- 
sign. The  DG542  utilizes  "T"  switch- 
ing techniques  on  each  channel  for 
exceptionally  low  crosstalk  and  high 
isolation. 

The  device  further  improves  these 
specifications  by  locating  ground 
pins  between  the  signal  pins.  With  an 
input  frequency  of  5  MHz,  crosstalk 
and  isolation  are  -85  dB  and  -75  dB, 
respectively. 

The  switch  is  limited  to  a  maxi- 
mum of  -5  V  on  its  negative  supply 
input,  making  bipolar  operation  dif- 
ficult. All  three  amplifiers  should  op- 
erate from  the  same  -5-V  rail  as  the 
switch  to  minimize  potential  latch- 
up.  This  limited  supply  range  will  re- 
strict the  amplitude  of  the  inputs  to 
video-level  signals  of  ±3  V.  If  a  wid- 
er range  is  needed  to  maximize  the 
full-scale  range  of  an  a-d  converter, 
gain  can  be  taken  at  the  two  output 
amplifiers  by  operating  them  as  fol- 
lowers with  gain.  However,  they'll 
have  to  be  run  from  +12-V  supply 


rails. 

Because  the  input  to  the  a-d  con- 
verter consists  of  the  alternating 
"held"  values  from  the  two  amplifi- 
ers, the  mismatch  between  their  off- 
set voltages  will  show  up  as  nonlin- 
earities  and,  therefore,  distortion  in 
the  output  signal.  This  demands  that 
the  amplifiers  offer  excellent  ac  per- 
formance and  good  dc  precision.  The 
AD843's  maximum  offset  voltage  is 
1  mV,  offset  voltage  drift  is  10  fiV/ 
°C,  and  open-loop  gain  is  94  dB. 

However,  the  AD843's  balance 
pins  accommodate  offset  trims.  Us- 
ers can  ground  the  input  and  adjust 
the  difference  between  their  outputs 
through  zero.  The  output  is  connect- 
ed to  a  high  gain  oscilloscope  and  the 
S/H  control  input  is  toggled.  The 
square  wave  created  by  the  differ- 
ence in  offset  voltages  is  adjusted  to 
zero. 

If  offset  voltage  drift  over  temper- 
ature becomes  a  problem,  especially 
with  FET-input  amplifiers,  design- 
ers can  employ  an  autocalibration 
circuit  using  two  d-a  converters.  A 
"known"  reference  voltage,  or 
ground,  can  be  connected  to  the  in- 
put op  amp  and  the  offset  voltage  ad- 
justed to  zero  by  manipulating  the 
digital  codes  of  two  8-bit  d-a  convert- 
ers connected  to  the  wipers  of  the  op 
amps'  trim-pins. 

Choose  The  Right  Caps 

When  selecting  the  appropriate 
types  of  capacitors  for  building  a  s/h 
amplifier,  designers  should  employ 
devices  with  low  dielectric  absorp- 
tion and  low  temperature  coeffi- 
cients (TCs).  Silvered-mica  capaci- 
tors exhibit  low  (0  to  100  ppm/°C)  TCs 
and  operate  in  excess  of  200°C.  Users 
should  test  the  capacitors  to  ensure 
that  their  actual  value  matches  their 
marked  value.  Not  all  manufactur- 
ers fully  test  all  of  their  capacitors 
for  absolute  tolerance. 

Aperture  delay  and  aperture  un- 
certainty, or  jitter,  represent  two  ad- 
ditional vital  s/h  amplifier  specifica- 
tions. Aperture  delay  produces  an  er- 
ror that's  determined  by  the  equa- 
tion: 

Equation  4:  Ea  =  T„  (dV/dt) 

where  E.,  is  the  aperture  error  in 


volts,  Ta  is  the  aperture  delay  and 
dV/dt  is  the  slew  rate  of  the  input 
signal.  This  error  is  a  result  of  the 
finite  time  it  takes  a  switch  to  open, 
and  the  effect  of  "averaging"  the  in- 
put signal  over  the  closing-to-open- 
ing of  the  switch.  However,  as  long 
as  the  switch  opens  in  a  repeatable 
fashion,  the  aperture  time  can  be 
viewed  as  a  phase  shift  in  the  input 
signal,  not  as  an  error  source  in  a  sin- 
gle-channel system.  In  fact,  it  can  be 
calibrated  out. 

Circuit  designers  must  guard 
against  variable  aperture  delays  or 
"aperture  jitter."  The  maximum 
bandwidth  of  a  s/h  amplifier  with  a 
given  aperture  jitter  (ta)  is  deter- 
mined by  the  equation: 

Equation  5:  fMAX  =  1/(2  tt  ta)(2<"  +  ") 

where  n  in  the  expression  2'" + 11  is  the 
resolution  of  the  a-d  converter  fol- 
lowing the  s/h  amplifier.  For  a  12-bit 
converter  and  10-ps  aperture  jitter, 
the  maximum  bandwidth  is  approxi- 
mately 2  MHz.  This  equation  illus- 
trates that  the  s/h  amplifier  must 
maintain  low  jitter  to  be  used  with 
high-speed,  high-resolution  a-d  con- 
verters. 

Aperture  jitter  can  arise  from 
phase  modulation  in  the  sampling 
clock  from  either  wideband  random 
noise,  power-line  frequency  noise,  or 
digital  noise  due  to  poor  grounding. 
Careful  board  layout  can  reduce 
these  sources.  The  pc-board  trace  be- 
tween the  source  of  the  s/h  com- 
mand and  s/h  amplifier's  circuit 
should  be  as  short  as  possible  to  mini- 
mize the  effects  of  parasitic  circuit 
inductance,  resistance,  and  capaci- 
tance. Moreover,  long  runs  of  digital 
designers  should  make  sure  that  con- 
trol lines  are  not  run  parallel  to  any 
analog  signal  paths.  □ 
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■ 

Polarity  Programmable  Peak  Detector 


Four  ICs  are  used  in  this  design  to  give  positive  or  negative 
peak  detection  and  reset  levels  over  a  ±  10V  range.  A  precision 
voltage  comparator,  a  sample-and-hold  amplifier,  an  open- 
collector  exclusive-OR  gate  package,  and  a  quad  analog 
switch  used  as  two  SPDT  switches  are  the  principal  compo- 
nents required. 

BLOCK  DIAGRAM 

Figure  1  shows  the  basic  circuit  and  the  4  modes  of  opera- 
tion. A  comparator  continuously  examines  the  difference 
between  the  present  analog  input  voltage  and  a  voltage 
peak  held  by  the  sample  and  hold  (S/H)  amplifier.  If  the  pre- 
sent value  exceeds  the  held  value,  the  S/H  is  placed  in  the 
"Track"  condition  and  acquires  a  new  peak  value  returning 
to  a  "Hold"  condition  when  coincidence  is  reached.  The 
comparator's  output  is  inverted  or  non-inverted  depending 
on  the  polarity  selected  by  POS/NEG  SELECT.  This  same 
TTL  control  signal  connects  the  appropriate  voltage- 


programmed  reset  voltage  to  the  S/H  input  during  the 
RESET  modes.  In  RESET  the  S/H  is  forced  to  a  "Track"  con- 
dition by  the  PEAK  DETECT/RESET  SELECT  digital  input. 
Figure  2  shows  typical  waveforms. 
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Figure  1.  Programmable  Peak  Detector  Block  Diagram 
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Figure  2.  Programmable  Peak  Detector  Waveforms 


DETAILED  CIRCUIT  DESCRIPTION 

In  Figure  3,  the  SMP-1 1  FY  S/H  is  specified  for  three  reasons: 
low  cost,  2.5mV  (Maximum)  zero-scale  error,  and  its  10V//4S 
slew  rate.  Together  with  the  CMP-01CJ  precision  voltage 
comparator,  system  unadjusted  DC  accuracy  is  within  5mV 
at  zero-scale  and  10mV  at  full-scale.  Comparator  input  over- 
voltage  protection  resistors  and  diodes  are  required  as 
shown. 
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A  SW-01  Quad  Analog  Switch  connected  at  2  SPOT  switches 
connects  the  proper  analog  inputs  to  the  S/H  during  the  4 
modes  of  operation.  200  ohm  current-limiting  resistors  are 
used  as  recommended  by  the  switch  manufacturer.  Logic 
drive  to  the  switch  is  provided  by  1/2  Of  a  SN74LS136  quad 
exclusive-OR  gate  used  as  2  inve 


frequency  analog  inputs. 


Bypassing  as  shown  is  strongly  recommended  —  O.VF 
ceramic  dieletric  capacitors  for  the  comparator  and  the  S/H, 
plus  10/iF  solid  tantalum  bypass  capacitors  physically  close 
to  the  S/H.  In  addition  the  use  of  a  ground  plane  is  recom- 
mended to  minimize  ground  path  resistances.  A  0.01  hold 
capacitor  is  used  to  minimize  overshoot  when  tracking  high 


+5V  -16V      _  +15V 

LESS  THAN  0.6  INI 
BYPASS  CAPACITORS  LESS  THAN  0.5  INCH  FROM  PACKAGE 


NOTE:    SMP-n  BYPASS  CAPACITORS  LESS  THAN  0.6  INCH  FROM  PACKAGE 
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0.01/iF         *15V      |0|iF  O.lfiF 
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Figure  3.  Programmable  Peak  Detector  Complete  Schematic 
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Applications  of  the  SMP-04  and  the  SMP-08/SMP-18, 
Quad  and  Octal  Sample-and-Hold  Amplifiers 

By  Adolfo  A.  Garcia 


The  SMP-04  and  the  SMP-08  are  monolithic  quad  and 
octal  sample-and-hold  amplifiers  that  greatly  reduce  the 
complexity  and  the  cost  of  discrete  approaches  (op 
amps,  capacitors,  switches,  and  multiplexers).  Built  on 
an  advanced  analog  CMOS  process,  the  SMP-04  and 
SMP-08  exhibit  very  low  droop  rates  of  2  mV/s  and  fast 
acquisition  times  of  7  u.s.  The  SMP-18,  a  faster  version  of 
the  SMP-08  (2.5  u.s  acquisition  time)  with  similar  speci- 
fications, is  also  available.  The  on-chip  MOS  capacitors 
save  space  and  reduce  cost  by  eliminating  external,  ex- 
pensive low  leakage  capacitors.  As  a  result,  layout 
guard-ringing  and  details  for  board  cleanliness  are  no 
longer  necessary  to  maintain  specified  performance. 

Architecturally,  the  SMP-04  contains  four  independent 
sample-and-hold  amplifiers;  whereas  the  SMP-08  and 
the  SMP-18  contain  eight  sample-and-hold  amplifiers 


OUT  2 


multiplexing  one  common  input  to  eight  independent 
outputs.  The  SMP-04  will  be  used  throughout  this  appli- 
cation note  to  describe  all  devices,  unless  otherwise 
noted.  Simplified  block  diagrams  of  the  SMP-04  and  the 
SMP-08/SMP-18  are  shown  in  Figure  1a  and  Figure  1b. 

The  versatility  of  these  amplifiers  opens  up  many 
useful  applications  which  will  be  described  below.  This 
application  note  will  point  out  special  issues  and  tech- 
niques to  derive  the  maximum  performance  from  these 
devices. 
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Figure  la.  Block  Diagram  of  the  SMP-04 


Figure  lb.  Block  Diagram  of  the  SMP-08/SMP-18 
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APPLICATION  CIRCUITS 

An  Eight-Channel  Setpoint  Controller 

Figure  2  illustrates  a  low  cost  analog  setpoint  controller 
circuit  by  demultiplexing  a  single  DAC  output  to  eight 
independent  channels  using  the  SMP-08.  With  a  maxi- 
mum droop  rate  of  20  mV/s,  the  SMP-08  can  maintain 
8-bit  accuracy  (1/2  LSB  at  5  V  full  scale)  by  refreshing 
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Figure  2.  An  8-Channel  Setpoint  Controller 

once  every  500  ms.  For  a  10-bit  DAC,  the  refresh  rate 
must  be  less  than  122  ms  and,  for  a  12-bit  system, 
31  ms.  This  implementation  is  very  cost  effective  when 
compared  to  using  multiple  DACs  as  the  number  of 
output  channels  increases.  Typical  operation  of  the  set- 
point  controller  is  shown  in  Figure  3a.  With  the  DAC 


ADDR 

(5V/DIV) 


Figure  3a.  Illustrates  the  Operation  of  the  Setpoint  Con- 
troller. The  top  trace  is  the  address  decoder  selecting 
CHO  (LOW)  or  CH7  (HIGH).  The  bottom  trace  is  CHO's 
output  illustrating  the  SMP-08's  typical  droop  and  hold 
step. 


output  at  5  V,  the  address  decoder  drives  all  address 
lines  concurrently,  selecting  either  Channel  0  or  Chan- 
nel 7.  As  the  photo  shows,  the  SMP-08  maintains  less 
than  1/4  LSB  error  (for  8-bit  accuracy)  for  1  second.  An 
expanded  view  of  the  droop,  the  reset  to  5  V,  and  a  hold 
step  of  1  mV  is  shown  in  Figure  3b. 


ADDR 

(5V/DIV) 


Figure  3b.  Illustrates  the  Expanded  View  of  the  Setpoint 
Controller's  Operation 

A  Single  Event  Sampler 

The  circuit  in  Figure  4  takes  16  equally  timed  consecu- 
tive samples  to  capture  a  single  event  on  the  input  sig- 
nal. Once  captured,  the  sampled  signals  can  be 
sequentially  reconstructed  repetitively  on  an  oscillo- 
scope, either  at  the  original  sampling  clock  rate  or  a 
slower  clock  rate. 

By  selecting  the  position  of  switch  SW1,  sampling  can 
begin  by  triggering  on  the  input's  signal  level,  or  on  an 
external  trigger  (negative  going)  pulse  that  is  no  more 
than  one  clock  period  long.  In  the  case  where  a  1  MHz 
clock  is  used,  the  pulse  width  must  be  1  p.s  or  less.  Either 
signal  resets  the  74LS161  counter  asynchronously.  The 
sequential  sampling  begins  at  the  rising  edge  of  the 
second  clock  period.  The  reset  pulse  also  clears  both  J-K 
flip-flops,  removing  the  inhibit  to  the  SMP-08s.  The  syn- 
chronous counter  outputs  ensure  equal  sampling  peri- 
ods to  each  sample-and-hold  amplifier.  The  J-K  flip-flops 
toggle  and  subsequently  inhibit  the  SMP-08s  from  fur- 
ther sampling. 

To  reconstruct  the  sampled  analog  signal,  the  16  sam- 
pled signals  are  sequentially  addressed  by  the  MUX-16, 
a  16-channel  analog  multiplexer.  The  74LS163  binary 
counter  cycles  the  multiplexer  which  generates  a  repet- 
itive waveform  as  shown  in  Figure  5.  The  waveform  will 
keep  its  shape  for  as  long  as  ten  seconds,  but  beyond 
that  the  SMP-08's  20  mV/s  maximum  droop  rate  causes 
it  begin  to  lose  its  shape  gradually. 
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Figure  4.  A  16-Channel  Single  Event  Sampler 
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Figure  5.  Illustrates  the  Operation  of  the  16-Channel 
Single  Event  Sampler 


A  variation  of  this  concept  has  been  demonstrated  in 
other  publications.  One  such  design  is  described  in  Ap- 
plication Note  AN-289  published  by  National  Semicon- 
ductor Corp.  That  approach  used  eight  separate  sample- 
and-hold  amplifiers  plus  eight  capacitors.  This  design, 
however,  illustrates  how  a  considerably  smaller  circuit 
using  less  components,  and  therefore  lower  costs,  can 
be  realized  using  a  single-chip  octal  sample-and-hold 
amplifier  like  the  SMP-08.  In  fact,  the  beauty  of  this 
configuration  is  that  the  number  of  sample-and-hold 
channels  can  be  easily  expanded  to  increase  the  sam- 
pling resolution  without  a  heavy  penalty  in  increased 
circuitry  and  component  costs. 
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DAC  Deglitcher 

Most  DACs  output  an  appreciable  amount  of  "glitch" 
energy  during  a  transition  from  one  code  to  another. 
The  glitch  amplitude  can  range  from  several  millivolts  to 
hundreds  of  millivolts.  This  may  be  unacceptable  in 
many  applications.  By  selectively  delaying  the  DACs 
output  transition,  the  SMP-04  can  be  used  to  smooth  the 
output  waveform.  Figure  6  shows  the  schematic  dia- 
gram of  a  quad  DAC  deglitcher  circuit  using  only  a  write 
strobe  command  (WR)  generated  by  a  microprocessor. 
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Figure  7a.  Shows  the  Logic  Timing  of  the  Deglitcher.  The 
top  trace  is  the  WR  from  the  microprocessor.  The  second 
trace  is  used  to  strobe  the  second  one-shot  that  gener- 
ates the  DACs  WR  strobe.  The  bottom  trace  is  the  S/H 
control  signal. 


50m V 


500nS 


Figure  6.  A  Quad  DAC  Deglitcher 

Dual  one-shots  (a  74LS221)  and  an  inverter  provide  the 
proper  delay  timing  for  the  DAC  WR  strobe  and  the  S/H 
control  signal  to  the  SMP-04.  The  74LS139  demultiplexer 
is  used  to  steer  the  S/H  control  signal  to  the  appropriate 
SMP-04  channel.  Therefore,  only  one  timing  circuit  is 
used  to  deglitch  a  quad  DAC.  In  this  example,  a  linear 
ramp  signal  is  generated  by  the  microprocessor  whose 
WR  strobe  is  800  ns  in  duration.  In  Figure  7a,  new  data  to 


S/H  OUT 


Figure  7b.  Shows  a  Typical  DAC  Glitch  Amplitude  (Top 
Trace)  and  the  Deglitched  Output  of  the  SMP-04  (Bottom 
Trace) 

the  DAC  A  input  is  set  up  at  the  S/H1's  falling  edge,  but 
the  DAC  A  output  does  not  change  until  its  WR  strobe 
goes  active.  When  that  occurs,  the  S/H1  begins  sampling 
and  tracks  DAC  A's  output.  When  the  S/H  signal  goes 
HIGH,  DAC  A's  output  voltage  is  held  by  S/H1.  After  a 
300  ns  settling,  DAC  A's  WR  strobe  goes  LOW  to  allow 
the  DAC  output  to  change.  Any  glitch  that  occurs  at  the 
DAC  output  is  blocked  by  the  SMP-04.  As  soon  as  the 
WR  strobe  goes  HIGH,  the  digital  data  is  latched;  at  the 
same  time,  the  S/H  goes  LOW,  and  the  SMP-04  is  al- 
lowed to  track  the  new  DAC  output  voltage.  Figure  7b 
shows  the  deglitching  operation.  The  top  trace  shows 
the  DAC  A's  output  during  transition  while  the  bottom 
trace  shows  the  deglitched  output  of  the  SMP-04. 
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A  Pipelined  Data  Acquisition  System 

If  a  sample-and-hold  is  used  in  the  front  of  a  successive 
approximation  register  (SAR)  type  ADC,  the  system 
throughput  can  be  increased  by  adding  a  second 
sample-and-hold  operating  in  a  "ping-pong"  fashion  as 
shown  in  Figure  8.  While  the  first  channel  is  holding  the 
input  signal  for  the  A/D  conversion,  the  second  sample- 
and-hold  is  acquiring  another  channel  through  the  mul- 
tiplexer. By  the  time  the  A/D  conversion  is  complete  on 
the  first  sample-and-hold's  signal,  the  second  sample- 

1/4  SMP-04 


ADC-912A 


■DBO 

■  DB1 


MODE  CNTRL 
SH1/SH2 


Figure  8.  A  Pipelined  Data  Acquisition  System 


A  Low  Cost  Battery  Tester 

The  condition  of  a  new  or  old  battery  can  be  tested  very 
quickly  under  a  load  with  the  circuit  in  Figure  9.  When 
the  momentary  switch  is  pressed,  the  no-load  battery 
voltage  is  sampled  by  the  first  sample-and-hold.  R3  and 
R4  are  chosen  so  that,  according  to  the  battery  manufac- 
turer's end-of-life  specifications,  the  threshold  of  the 
PM-139  comparator  is  set  to  87.5%  of  the  no-load  battery 
voltage.  Since  this  is  a  very  low  frequency  application, 
approximately  16  mV  of  hysteresis  about  the  threshold 
voltage,  set  by  R5  and  R6,  was  chosen  to  prevent  the 
comparator  from  oscillating.  The  gate  of  the  power 
NMOS  transistor  is  controlled  by  a  differentiator  whose 
time  constant  is  set  at  470  (is.  When  the  power  FET  turns 
on,  it  forces  a  500  mA  load  current  from  the  battery.  At 
the  same  time,  the  second  differentiator  controls  the 
second  sample-and-hold.  Thus,  the  battery's  voltage  un- 
der load  is  sampled  and  applied  to  the  inverting  terminal 
of  the  comparator.  If  the  battery's  voltage  is  at  or  above 
the  threshold,  then  the  comparator's  output  goes  low 
and  triggers  the  GREEN  LED  through  the  D  flip-flop, 
indicating  a  PASS  condition;  otherwise,  the  RED  LED 
turns  on.  To  clear  the  D  flip-flop  during  the  power-on 
sequence,  a  100  ms  R10-C3  combination  was  connected 
to  the  D  flip-flop's  RESET  pin  through  an  inverter. 


and-hold  will  have  acquired  its  data  and  will  be  ready  for 
the  next  conversion.  This  pipeline  technique  eliminates 
the  acquisition  time  of  the  sample-and-hold  in  the 
signal  path. 
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Figure  9.  Low  Cost  Battery  Tester 
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APPLICATIONS  HINTS 
Input  Drive  Considerations 

For  each  channel  of  the  SMP-04,  the  input  looks  directly 
into  a  CMOS  transmission  gate  and  an  internal,  low 
leakage  MOS  capacitor,  as  shown  in  Figure  10.  The  ON 
resistance  of  the  transmission  gate  and  the  internal  hold 
capacitor,  which  is  typically  60  pF,  largely  determine  the 
acquisition  time  of  the  SMP-04.  Any  drive  circuit  having 
a  finite  output  resistance  will  increase  the  RC  charge 
time  and  degrade  the  acquisition  time.  Consequently, 
good  acquisition  time  can  be  preserved  by  driving  the 
input  of  the  SMP-04  from  low  output  resistance  sources. 


Figure  10.  Input  Circuit  of  the  SMP-04  and  the 
SMP-08/SMP-18 

Since  the  transmission  gate  is  constructed  of 
enhancement-mode  MOSFETs,  its  ON  resistance  is  a 
function  of  both  the  supply  voltages  and  the  applied 
input  signal.  Figure  11a  shows  the  transmission  gate's 
ON  resistance  of  the  SMP-04  for  a  single  +12  V  supply 
as  a  function  of  the  applied  analog  input  voltage.  Simi- 
larly, Figure  11b  show  the  switch  resistance  for  ±5  V 
supplies  as  a  function  of  the  applied  analog  input 
voltage. 
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Input  Voltage 

Figures  12a,  12b,  and  12c  illustrate  how  the  SMP-04's 
acquisition  time  is  affected  by  different  supply  voltages 
and  applied  input  signals.  Note  that  for  positive-slewing 
signals  the  SMP-04  acquires  the  signal  more  slowly  than 
for  negative-slewing  signals.  This  is  due  to  the  nonsym- 
metrical slew  characteristics  of  the  output  buffer.  For 
single  supply  +15  V  or  +12  V  applications,  the  analog 
input  should  be  in  the  range  of  100  mV  <  V,N  s  VDD-2  V 
to  avoid  significant  degradation  of  the  sampled  signal. 

The  input  capacitance  is  a  combination  of  the  internal 
hold  capacitor,  the  transmission  gate's  parasitic  input 
capacitance,  the  output  buffer's  parasitic  input  capaci- 
tance, and  the  parasitic  package  pin  capacitance.  In  the 
sample  mode,  the  SMP-04's  typical  input  capacitance  is 
approximately  60  pF.  In  the  hold  mode,  the  input  capac- 
itance drops  to  under  10  pF.  In  the  case  of  the  SMP-08, 
the  external  input  capacitance  in  the  sample  or  hold 
modes  is  typically  80  pF,  and  typically  30  pF  in  the 
INHIBIT  mode.  Depending  on  the  amplifier  used,  ringing 
and  overshoot  can  occur  when  driving  this  input  capac- 
itance. Op  amps,  such  as  the  OP-42  and  the  AD847, 
which  have  low  output  resistances  and  excellent  capac- 
itive  load  drive  capability,  are  ideal  for  driving  the  SMP- 
04  and  the  SMP-08. 
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Figure  12a.  SMP-04/SMP-08  Acquisition  Time  vs. 
Percent  Accuracy 
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Figure  12c.  SMP-04/SMP-08  Acquisition  Time  vs. 
Percent  Accuracy 

Using  The  SMP-04  As  A  Buffer 

It  is  sometimes  advantageous  to  use  one  or  more  sec- 
tions of  the  SMP-04  as  a  buffer.  This  is  done  by  setting 
the  SMP-04  in  a  continuous  SAMPLE  mode  by  connect- 
ing the  S/H  control  pin  to  logic  LOW.  The  SMP-04  has 
good  distortion  characteristics  over  the  audio  frequency 
range.  For  a  single  12  V  supply,  Figure  13a  illustrates  the 
track-mode  distortion  characteristics  of  the  SMP-04. 
Note  that  the  SMP-04  maintains  less  than  0.04%  total 
harmonic  distortion  over  the  entire  audio  frequency 
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Figure  13a.  SMP-04  Track  Mode  THD  +  N  vs.  Frequency. 
Vs=  +12  V/GND,  VOFFSET  =  +6  V,  RL  m  10  kn,  and 
V,n  =  IVp-p 


Figure  13b.  SMP-04  Track  Mode  THD  +  N  vs.  Frequency. 

Vs  =  ±5  V,  VOFFSET  =  +0  V,  FtL  =  10  kSl,  and 
VIN=  IVp-p 

band.  For  a  ±5  V  supply  operation,  the  SMP-04  exhibits 
less  than  0.4%  total  harmonic  distortion  over  the  same 
frequency  band,  as  shown  in  Figure  13b.  For  audio  dis- 
tribution applications,  one  might  consider  using  the 
SMP-08.  Figure  14a  illustrates  its  track-mode  distortion 
characteristics  for  a  single  12  V  supply.  The  SMP-08 
maintains  less  than  0.6%  total  harmonic  distortion  over 
the  entire  audio  frequency  band.  Figure  14b  illustrates 
the  SMP-08's  distortion  characteristics  for  ±5  V  supply 
operation.  Distortion  performance  is  only  slightly  worse 
(0.7%)  than  the  single  supply  case  over  the  entire  audio 
frequency  band.  In  all  measurements,  a  standard  80  kHz 
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Figure  14a.  SMP-08  Track  Mode  THD  +  N  vs.  Frequency. 
Vs  =  +12  V/GND,  VOFFSET  =  +6  V,  RL  =  10  kO,  and 
V,N  =  IVp-p 
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Figure  14b.  SMP-08  Track  Mode  THD  +  N  vs.  Frequency. 

Vs  =  ±5  V,  VOFFSET  =  +0  V,  RL  =  10  k!i,  and 
Vm  =  1Vp-p 
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filter  and  an  RL  =  10  kfl  were  used.  If  track-mode  distor- 
tion performance  is  important,  use  a  large  supply  volt- 
age range  (VDD-VSS)  to  yield  lower  distortion  products. 
Be  sure  to  remain  well  within  the  absolute  maximum 
supply  voltage  ratings,  that  is,  VDD-VSS  less  than  17  V, 
maximum. 

Transient  Load  Response 

When  an  amplifier  is  used  to  drive  the  input  of  a  SAR 
ADC,  the  ADC  generates  abrupt  current  changes  at  the 
analog  input.  For  accurate  conversions,  the  drive  ampli- 
fier must  be  capable  of  holding  a  constant  output  volt- 
age under  dynamically  changing  load  conditions. 
Therefore,  it  is  important  to  know  how  quickly  the  am- 
plifier's output  settles  under  these  conditions.  Amplifiers 
with  low  closed-loop  output  impedances  recover  from 
output  load  current  changes  quickly  without  long  set- 
tling tails. 

The  SMP-04's  low  closed-loop  output  impedance  (1 
ohm,  typical)  allows  the  output  to  settle  quickly  during  a 
SAR  ADC's  conversion  cycle.  Figure  15a  illustrates  a 
typical  transient  load  response  (to  12-bit  accuracy)  of  the 
SMP-04  with  a  1  mA  transient  load  current.  This  load 
current  is  a  worst  case  condition  for  driving  a  SAR  ADC 
with  a  2  mA  reference  current.  Figure  15b  illustrates  the 
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Figure  15a.  SMP-04/SMP-08  Output  Buffer  Response  to  a 
1  mA  Load  Current  Transient.  VDO  =  +12  V,  Vss  =  GND 


Figure  15b.  SMP-04/SMP-08  Output  Buffer  Recovery 
from  a  1  mA  Load  Current  Transient.  VDD  =  +12  V, 
Vss  =  GND 


Figure  15c.  SMP-04/SMP-08  Output  Buffer  Response  to  a 
1  mA  Load  Current  Transient.  VDD  =  +5  V,  Vss  =  -5  V 
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Figure  15d.  SMP-04/SMP-08  Output  Buffer  Recovery 
from  a  1  mA  Load  Current  Transient.  VDD  =  +5  V, 
Vss  =  -5V 

SMP-04's  typical  transient  load  response  when  the  load 
current  is  turned  off.  The  slower  transient  load  recovery 
is  due  to  asymmetric  slew  characteristics  of  the  SMP- 
04's  output  buffer.  For  ±5  V  supply  applications,  slightly 
faster  response  times  to  12-bit  accuracy  are  shown  in 
Figures  15c  and  15d.  These  results  suggest  that  the  min- 
imum clock  period  for  a  12-bit  SAR  ADC  should  be 
1 .3  m-s. 

Aperture  Delay  Time  and  Jitter 

Two  additional  dynamic  parameters  that  affect  accuracy 
and  total  acquisition  time  are  aperture  delay  time  and 
jitter.  Aperture  delay  is  the  time  required  by  the  internal 
switches  to  disconnect  the  hold  capacitor  from  the  input. 
Aperture  jitter  is  the  uncertainty  in  aperture  delay 
caused  by  internal  noise  and  variation  of  switching 
thresholds  with  the  input  signal.  Typically,  the  SMP-04 
and  the  SMP-08  exhibit  an  aperture  delay  time  of  20  ns 
and  an  aperture  jitter  of  800  ps. 

Interchannel  Crosstalk  and  Hold-Mode  Feedthrough 

The  four  independent  channels  of  the  SMP-04  typically 
exhibit  100  dB  of  crosstalk  rejection  from  dc  to  100  kHz 
regardless  of  supply  voltages  used.  In  the  hold-mode,  its 
feedthrough  measures  -85  dB  over  the  same  frequency 
range. 
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SMP-08/SMP-18  Channel  Decode  Timing 

For  applications  that  require  sequencing  the  SMP-08's 
(or  the  SMP-18's)  output  channels,  Figure  16a  illustrates 
the  break-before-make  timing  relationships  between  the 
address  lines  and  the  analog  input.  When  an  address 
change  occurs,  the  previously  selected  channel  turns  off 
in  45  ns.  The  next  selected  channel  turns  on  in  90  ns. 
Therefore,  to  avoid  potential  crosstalk  problems,  the  an- 
alog input  must  not  change  for  45  ns  after  an  address 
change. 


ADDRESS  (ABC) 
INPUT 


|»-  45ns 


i  V 


Figure  16a.  SMP-08/SMP-18  Decode  Timing  Option  1 
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Figure  16b.  SMP-08/SMP-18  Decode  Timing  Option  2 

Another  option  is  to  use  the  INHIBIT  function  to  disable 
all  channels  during  address  and  analog  input  changes. 
The  timing  diagram  in  Figure  16b  illustrates  the  relation- 
ships between  the  INHIBIT,  the  address  lines,  and  the 
analog  input.  Once  the  INHIBIT  goes  LOW,  the  next  se- 
lected channel's  analog  output  is  valid  in  90  ns.  It  is 
therefore,  recommended  that  the  minimum  INHIBIT 
pulse  width  be  100  ns  to  minimize  feedthrough  and 
glitching  to  the  analog  outputs.  A  simplified  logic  dia- 
gram of  the  1 :8  decoder  is  shown  in  Figure  17. 

Single  +5  V  Operation 

The  SMP-04  and  the  SMP-08  can  operate  on  a  single  +5 
V  supply  but  with  reduced  performance.  Table  I  summa- 
rizes the  performance  characteristics  of  the  SMP-04  and 
the  SMP-08  with  this  supply  voltage.  For  sampling  appli- 
cations, it  is  recommended  that  the  analog  input  be  in 
the  range  of  100  mV  s  V,N  £  2.5  V  to  avoid  degradation 
of  the  sampled  signal.  To  maximize  output  voltage 
swing  under  this  limited  supply  constraint,  loads  greater 
than  10  kfi  should  be  used. 


CH1 


Figure  17.  SMP-08/SMP-18  Decode  Logic  Diagram 

Table  I.  Summary  of  SMP-04  and  SMP-08  Single  +5  V 
Characteristics 


Buffer  Offset  Voltage 
V,N  =  2-5  V 

3  mV 

Input  Voltage  Range 

RL  =  * 

0.16  V  to  4.1  V 

Output  Voltage  Range 
RL  =  « 
RL  =  1  kfi 

0.15  V  to  3.5  V 
0.14  V  to  1  V 

Buffer  Small-Signal  Bandwidth 

200  kHz 

Buffer  Phase  Shift 

53° 

Acquisition  Time 

100  mV  £  VIN  £  2.5  V 
SMP-04  1% 
SMP-04  0.1% 
SMP-08  1% 
SMP-08  0.1% 

2.3  |xs 
8.3  (jls 
3.5  m-S 

14  |AS 

Total  Harmonic  Distortion 
20  Hz-20  kHz,  RL  =  10  kfi, 
V,N  =  1  V  p-p,  Filter  =  80  kHz  LP 

SMP-04 

SMP-08 

<0.3% 
<4% 

Signal-to-Noise  Ratio 

^ SAMPLE  =  86  kHz,  fIN  =  10  kHz 
fsAMPLE  =  14.4  kHz,fIN  =  1.8  kHz, 
tpw  =  10  u-s 

18  dB 
24  dB 

SMP-04  Hold-Mode  Feedthrough 
DC  to  100  kHz 

85  dB 

Supply  Current 
SMP-04 
SMP-08 

1.5  mA 
3  mA 
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Use  of  IC  sockets 

Since  the  hold  capacitors  of  the  SMP-04  are  internal  and 
connected  to  Vss,  the  SMP-04  and  SMP-08/SMP-18  have 
no  external  capacitor  connections  that  are  exposed  to 
leakage  paths  which  degrade  sample-and-hold  perfor- 
mance. Therefore,  unlike  the  LM398  that  requires  expen- 
sive, low  leakage  capacitors  and  special  attention  to 
leakage  paths,  the  SMP-04  and  the  SMP-08/SMP-18  are 
tolerant  of  IC  sockets.  Wire-wrap  sockets,  however,  are 
not  recommended  because  of  their  susceptibility  to 
noise  pickup  and  larger  parasitic  capacitance  compared 
to  solder  tail  sockets. 

ESD  Protection 

The  SMP-04  and  the  SMP-08/SMP-18  have  been  de- 
signed to  withstand  over  900  volts  of  ESD  on  all  pins. 
However,  standard  ESD  prevention  techniques  should 
still  be  used  to  minimize  potentially  excessive  high  ESD 
voltages. 

The  SMP-04  and  the  SMP-08/SMP-18  are  highly  resistant 
to  latchup.  However,  parasitic  SCR  action  can  still  occur 
only  if  a  current  exceeding  200  mA  is  forced  into  the 
device's  analog  and  digital  inputs.  This  condition  is  not 
likely  to  ever  occur  because:  (1)  most  amplifiers  driving 
the  analog  inputs  have  built-in  output  short-circuit  cur- 
rent limiting;  and  (2)  ICs  driving  the  digital  inputs  would 
be  destroyed  long  before  the  200  mA  limit  is  reached. 


■ 


Dual-to-Single  Supply  Interface 

When  the  SMP-04,  connected  to  a  single  supply,  is 
driven  by  an  amplifier  operating  from  a  dual  supply,  the 
circuit  in  Figure  18  should  be  used.  The  circuit  configu- 
ration is  a  DAC  current-to-voltage  converter.  The  diode 
is  used  to  clamp  the  SMP-04's  input  from  negative  volt- 
ages in  the  event  that  the  amplifier's  output  goes  to 
its  negative  output  voltage  limit  during  power  on/off 
Bfe  laTts  an  SA  id*  ejsnsrto  tin  bum  \  - 


— vw  

[    OP-42  JS— < 
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Figure  18.  Dual-to-Single  Supply  Interface  Circuit 
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Accuracies  of  the  AD590 


The  following  tables  contain  maximum  errors  by  grade  for 
applications  involving  limited  temperature  spans.  The  tables 
reflect  the  worst-case  nonlinearities  of  the  AD590,  which 
invariably  occur  at  the  ends  of  the  specified  temperature 
range.  The  "trims"  in  each  table  refer  to  the  error  correction 
circuits  on  pages  4  and  5  of  the  AD590  Data  Sheet  (Figures 


4  and  7a).  All  accuracies  given  below  are  ±°C.  For  example, 
if  ±1°C  accuracy  is  required  over  the  +25°C  to  +75°C  range, 
then  trimming  a  J  grade  device  using  the  circuit  of  Figure  4 
on  the  AD590  Data  Sheet  will  result  in  a  sensor  of  the  re- 
quired accuracy  and  range. 


M GRADE 

Number 
Of  Trims 


Temperature 
Span  <°C) 


Lowest  Temperature  In  Span  (°C) 


-55 


-25 


+25 


+50 


+75 


+100 


+125 


None 
None 
None 
None 
None 
None 

One 
One 
One 
One 
One 
One 

Two 
Two 
Two 
Two 
Two 
Two 


10 
25 
50 
100 
150 
205 

10 
25 
50 
100 
150 
205 

10 
25 
50 
100 
150 
205 


0.6 
0.8 
1.0 
1.3 
1.5 
1.7 

0.2 
0.4 
0.5 
0.8 
0.9 
1.0 

0.1 
0.1 
0.2 
0.2 
0.3 
0.3 


0.5 
0.8 
0.9 
1.4 
1.6 


0.1 
0.3 
0.4 
0.8 
0.9 


0.1 
0.2 


0.6 
0.7 
0.8 
1.3 
1.6 


0.1 

0.2 
0.3 
0.7 
0.9 


0.6 
0.7 
0.9 
1.4 
— 

0.1 
0.2 

0.3 
0.7 


0.7 
0.8 
0.9 
1.5 


0.1 
0.2 
0.3 
0.8 


0.7  0.7  0.9 

0.8  1.0  1.1 

1.1  1.2 


0.1 
0.2 
0.4 


- 


0.1 
0.3 
0.5 

_ 


0.2 


- 

- 

0.2 
0.4 

— 


0.1 
0.1 


0  1 


0.2 


0.3 


•Below  ±0.05°C 


SENSORS  19-3 


L GRADE 


Lowest  Temperature  In  Span  (°C) 


numoer 

Of  Trims 

Span  (°C) 

-55 

-25 

0 

+25 

+50 

+75 

+100 

+125 

None 

m 

tu 

1  n 

1  n 

1  1 
i .  i 

1  1 
i .  i 

1  9 

1  ■  c- 

1 

1  -O 

1  A 

1  fi 

None 

95 

1  *3 

1  .O 

1  T 
1  .o 

1  .o 

1  A 

1  R 

1  7 

1  Q 

i  .y 

None 

OU 

1  Q 

1  ft 

1  7 

1  ft 

1  Q 

i  .y 

9  1 

9  4 

None 

IUU 

9  d 

9  A 

9  A 

9  7 

None 

150 

2.7 

2.6 

2.8 



_ 



None 

205 

3.0 

- 

_ 

- 

- 

- 

- 

One 

in 

n  1 

n  1 

u.l 

n  1 

U.  1 

n  1 

n  i 

U.  1 

n  1 

U,  I 

n  o 

One 

9R 

U.D 

n  *5 
u.o 

U.O 

U.O 

U.O 

U.t 

n  r 

U.O 

One 

50 

1.0 

0.8 

0.6 

0.6 

0.6 

0.8 

1.0 

— 

One 

100 

1.3 

1.2 

1.1 

1.1 

1.3 

One 

150 

1.4 

1.3 

1.4 

_ 

_ 

_ 

One 

205 

1.6 

Two 

10 

0.1 

» 

* 

* 

* 

0.1 

Two 

25 

0.1 

* 

* 

* 

* 

* 

# 

0.1 

Two 

50 

0.2 

* 

* 

* 

* 

0.2 

Two 

100 

0.3 

0.2 

0.1 

0.2 

0.3 

Two 

150 

0.3 

0.2 

0.3 

Two 

205 

0.4 

•Below  ±0.05°C 

r\  LiHAUt 

Lowest  Temperature  In  Span  (°C) 

Number 

Temperature 

Of  Trims 

Span  (°C) 

-55 

-25 

0 

+25 

+50 

+75 

+100 

+125 

None 

10 

2.1 

2.3 

2.5 

2.7 

2.9 

3.1 

3.3 

3.6 

None 

25 

2.6 

2.7 

2.8 

3.0 

3.2 

3.5 

3.8 

4.2 

None 

50 

3.8 

3.5 

3.4 

3.6 

3.8 

4.3 

5.1 

None 

100 

4.2 

4.3 

4.4 

4.6 

5.1 

None 

150 

4.8 

4.8 

5.3 

None 

205 

5.5 

One 

10 

0.2 

0.1 

0.1 

0.1 

0.1 

0.1 

0.1 

0.2 

One 

25 

0.6 

0.4 

0.3 

0.3 

0.3 

0.4 

0.5 

0.6 

One 

50 

1.2 

1.0 

0.7 

0.7 

0.7 

1.0 

1.2 

One 

100 

1.5 

1.4 

1.3 

1.3 

1.5 

One 

150 

1.7 

1.5 

1.7 

One 

205 

2.0 

Two 

10 

0.1 

# 

# 

* 

* 

* 

0.1 

Two 

25 

0.2 

0.1 

* 

• 

* 

0.1 

0.2 

Two 

50 

0.3 

0.1 

» 

* 

0.1 

0.2 

Two 

100 

0.5 

0.3 

0.2 

0.3 

0.7 

Two 

150 

0.6 

0.5 

0.7 

Two 

205 

0.8 

•Below  +0.05°C 
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J  GRADE 


Lowest  Temperature  In  Span  (°C) 

Number 

Temperature 
Span  (°C) 

Of  Trims 

-55 

-25 

0 

+25 

+50  +75 

+100 

+125 

None 

10 

4.2 

4.6 

5.0 



5.4 



5.8  6.2 

6.6 

7.2 

None 

25 

5.0 

5.2 

5.5 

5.9 

6.0  6.9 

7.5 

8.0 

None 

50 

6.5 

6.5 

6.4 

6.9 

7.3  8.2 

9.0 

— 

None 

100 

7.7 

8.0 

8.3 

8.7 

9.4 

— 

— 

None 

150 

9.2 

9.5 

9.6 

— 

None 

205 

10.0 

- 

- 





- 

One 

10 

0.3 

0.2 

0.2 

0.2 

0.2  0.2 

0  2 

0.3 

One 

25 

0.9 

0.6 

0.5 

0.5 

0.5  0.6 

0.8 

0.9 

One 

50 

1.9 

1.5 

1.0 

1.0 

1.0  1.5 

1.9 

— 

One 

100 

2.3 

2.2 

2.0 

2.0 

2.3 

— 

One 

150 

2.5 

2.4 

2.5 

- 

One 

205 

3.0 

Two 

10 

n  i 

* 

* 

* 

*             *  * 

0.1 

Two 

25 

0.2 

0.1 

* 

* 

*  * 

0.1 

0.2 

Two 

50 

0.4 

0.2 

0.1 

* 

0.1 

0.2 

* 

Two 

100 

0.7 

0.5 

0.3 

0.7 

1 .0  — 

Two 

150 

1.0 

0.7 

1.2 

—  — 

— 

Two 

205 

1.5 

— 

—  — 

"Below  ±0.05°C 


I  GRADE 


Number 
of  Trims 

Temperature 
Span  (°C> 

Lowest  Temperature  In  Span  (°C) 

-55 

-25 

0 

+25 

+50 

+75 

+100 

+125 

None 

10 

8.4 

9.2 

10.0 

10.8 

11.6 

12.4 

13.2 

14.4 

None 

25 

10.0 

10.4 

11.0 

11.8 

12.0 

13.8 

15.0 

16.0 

None 

50 

13.0 

13.0 

12.8 

13.8 

14.6 

16.4 

18.0 

None 

100 

15.2 

16.0 

16.6 

17.4 

18.8 

None 

150 

18.4 

19.0 

19.2 

None 

205 

20.0 

One 

10 

0.6 

0.4 

0.4 

0.4 

0.4 

0.4 

0.4 

0.6 

One 

25 

1.8 

1.2 

1.0 

1.0 

1.0 

1.2 

1.6 

1.8 

One 

50 

3.8 

3.0 

2.0 

2.0 

2.0 

3.0 

3.8 

One 

100 

4.8 

4.5 

4.2 

4.2 

5.0 

One 

150 

5.5 

4.8 

5.5 

One 

205 

5.8 

Two 

10 

0.3 

0.2 

0.1 

* 

0.1 

0.2 

0.3 

Two 

25 

0.5 

0.3 

0.2 

* 

0.1 

0.2 

0.3 

0.5 

Two 

50 

1.2 

0.6 

0.4 

0.2 

0.2 

0.3 

0.7 

Two 

100 

1.8 

1.4 

1.0 

2.0 

2.5 

Two 

150 

2.6 

2.0 

2.8 

Two 

205 

3.0 

•Below  ±0.05°  C 
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NOTES: 

1.  All  accuracies  excluding  the  205°C  span  are  guaranteed, 
not  tested;  the  205°C  span  accuracies  are  tested  for  by 
testing  each  device  at  -55°C,  +25°C,  +125°C  and  +150°C. 

2.  All  one-trim  accuracies  excluding  the  205°C  span 
assume  that  the  trim  is  made  at  the  midpoint  in  the  span; 
the  205°C  span  assumes  a  trim  at  +25°C. 

3.  All  two-trim  accuracies  excluding  the  205°C  span 
assume  that  the  trims  are  made  at  the  endpoints  of  the 
span;  the  205°C  span  assumes  that  trims  are  made  at 
approximately  0°C  and  +140°C. 

4.  All  accuracies  exclude: 

a.  Trim  error  in  calibration  technique  used; 

b.  Repeatability  error; 

c.  Long  term  drift  errors. 

In  precision  applications  the  actual  errors  encountered  are 
usually  dependent  upon  sources  of  error  which  are  often 
overlooked  in  error  budgets. 

A)  Trim  Error  is  usually  the  largest  error  source.  This 
error  arises  from  such  sources  as: 

1.  poor  thermal  coupling  between  the  device  to  be 
calibrated  and  the  reference  sensor; 

2.  reference  sensor  errors; 

3.  device  to  be  calibrated  is  not  permitted  to  ther- 
mally settle; 

4.  #ca  is  radically  different  for  the  trim  and  the 
application. 


B)  Repeatability  Errors  arise  from  a  strain  hysteresis  of 
the  package.  The  magnitude  of  this  error  is  solely  a 
function  of  the  magnitude  of  the  temperature  span 
over  which  the  device  is  used.  For  example,  thermal 
shocks  between  0°C  and  100°C  will  result  in  an 
extremely  low  hysteresis,  for  a  repeatability  error  of 
less  than  ±0.05°C.  When  the  thermal  shocks  are 
widened  to  -55°C  and  +150°C,  the  device  will  typi- 
cally exhibit  a  repeatibility  of  ±0.05°C,  with  ±0.10°C 
maximum  being  guaranteed. 

C)  Long  term  drift  errors  ate  related  to  the  average 
operating  temperature  and  the  magnitude  of  the 
thermal  shocks  experienced  by  the  device.  Extended 
use  of  the  device  at  temperatu res  above  1 00°C  typically 
results  in  a  long  term  drift  of  ±0.03°C;  the  guaranteed 
maximum  is  ±0.10°C.  Operating  temperatures  below 
100°C  induce  no  measurable  drifts  in  the  device.  In 
addition  to  operating  temperature  the  severity  of 
the  thermal  shocks  incurred  will  determine  the  abso- 
lute stability  of  the  device.  For  thermal  shock  spans 
of  less  than  100°C,  the  drift  is  difficult  to  measure 
«0.03°C).  However,  for  200°C  spans  the  device  may 
drift  by  as  much  as  ±0.10°C  after  20  such  shocks.  If 
severe,  quick  shocks  are  necessary  in  the  application 
of  the  device,  simulated  life  tests  are  recommended 
for  a  thorough  evaluation  of  the  error  introduced  by 
such  shocks. 
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Use  of  the  AD590  Temperature  Transducer 
in  a  Remote  Sensing  Application 

by  Paul  Klonowski 


INTRODUCTION 

The  AD590  is  a  two-terminal  integrated  circuit  tempera- 
ture transducer  which  produces  an  output  proportional  to 
absolute  temperature.  For  supply  voltages  between  +4V 
and  +30V  the  device  acts  as  a  high  impedance,  constant 
current  source  supplying  1(iA/K.  Laser  trimming  of  the 
chip's  thin-film  resistors  is  used  to  calibrate  the  device  to 
an  output  of  298.2|xA  at  298.2K  ( +  25°C). 

A  typical  application  for  the  AD590  is  a  remote  tempera- 
ture-to-current transducer.  Figure  1  shows  a  thermometer 
circuit  that  measures  temperature  from  -55°Cto  +100°C 
and  whose  output  voltage  is  100mV/°C.  Since  the  AD590 
measures  absolute  temperature  (its  nominal  output  is 
1|iA/K),  the  output  must  be  offset  by  273.2jiA  in  order  to 
read  out  in  degrees  Celsius.  The  output  current  of  the 
AD590  flows  through  a  Ikll  resistance,  developing  a  volt- 
age of  1mV/K.  The  output  of  the  AD580  2.5V  reference  is 
divided  down  by  resistors  to  provide  a  273.2mV  offset, 
which  is  subtracted  from  the  voltage  across  the  1  kft  resis- 
tor by  an  AD524  instrumentation  amplifier.  The  amplifier 
provides  a  gain  of  100,  so  that  the  output  range  corres- 
ponding to  -55°Cto  +100°Cis  -5.5V  to  +10V  (100mV/ 
°C).  An  operational  amplifier  can  substitute  for  the  in- 
strumentation amplifier,  although  care  must  be  taken 
when  designing  with  the  op  amp  since  the  gain  at  the  two 
input  terminals  will  be  different. 


THE  PROBLEM 

A  question  often  asked  of  Analog  Devices  Applications 
Engineers  by  customers  using  the  AD590  in  a  remote  tem- 
perature-to-current application  is  "How  long  can  I  make 
the  cable  and  how  can  I  eliminate  any  noise  that  the  cable 
picks  up?"  Experiments  were  performed  in  an  effort  to 
provide  some  guidelines  for  answering  this  question 
using  the  circuit  of  Figure  1  with  a  1000'  shielded,  though 
initially  ungrounded,  twisted  pair  cable  (Belden  9461, 
style  2092).  In  order  to  duplicate  actual  conditions  the  ex- 
periments were  performed  in  an  industrial  environment. 

TYPES  OF  NOISE 

There  are  three  basic  types  of  noise  inherent  in  a  data-ac- 
quisition system.  The  first  type  is  transmitted  noise:  noise 
received  with  the  original  signal  and  indistinguishable 
from  it.  The  second  type  is  intrinsic  noise:  noise  gener- 
ated within  the  devices  used  in  a  circuit,  e.g.,  resistors,  op 
amps,  etc.  Included  in  this  category  are  Johnson,  shot, 
and  popcorn  noise.  The  third  type  is  induced  noise:  noise 
picked  up  from  the  outside  world  and  coupled  into  the  cir- 
cuit. This  application  note  discusses  methods  of  reducing 
induced  noise,  which  is  the  only  form  of  noise  that  can  be 
influenced  by  choices  of  wiring  and  shielding. 


i  
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0.1%  LOW  INSTRUMENTATION  AMpV 

TCR1BmWKT0R  GAIN  =  10°'  10°mV'°C 


Figure  1.  Thermometer  Circuit 
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NOISE  FACTORS 

There  are  three  elements  involved  in  any  noise  problem. 
The  first  is  the  source  of  the  noise.  Possible  noise  sources 
include  AM  radio  signals,  logic  signals,  magnetic  fields, 
and  power  line  transients.  The  second  element  is  the  cou- 
pling medium.  That  is,  how  is  the  noise  source  entering 
the  circuit?  Possible  coupling  mediums  include  a  com- 
mon circuit  impedance  (Figure  2),  stray  capacitance  (Fig- 
ure 3)  and  mutual  inductance  (Figure  4).  A  brief  descrip- 
tion of  each  follows. 

Common  impedance  noise  is  developed  by  an  impedance 
common  to  several  circuits.  This  might  occur,  as  shown 
in  Figure  2,  when  a  pulse  output  source  and  an  op  amp's 
reference  terminal  are  both  connected  to  a  "ground" 
point  having  tangible  impedance  to  the  power  supply  ter- 
minal. The  noisy  return  current  of  Circuit  1  develops  a 
voltage,  Vnoiso,  across  the  common  impedance  Z  which 
will  appear  as  a  noise  signal  to  Circuit  2.  Possible  solu- 
tions to  this  problem  include  proper  circuits  for  distribut- 
ing power  and  the  use  of  isolation  transformers  and  opti- 
cal isolators. 

Capacitively-coupled  noise  is  produced  by  stray  capaci- 
tance which  couples  the  voltage  changing  noise  source 
into  high  impedance  circuits,  as  shown  in  Figure  3.  The 
nature  of  the  impedance  Z  determines  the  shape  of  the  re- 
sponse. Methods  of  reducing  capacitively-coupled  noise 
include  reducing  the  noise  source,  properly  implement- 
ing shields,  and  reducing  the  stray  capacitance. 


POWER  SUPPLY  COMMON 


Figure  2.  Common  Impedance  Noise 
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Figure  3.  Stray  Capacitance  Noise 

Magnetically  coupled  noise  is  produced  by  mutual  induc- 
tance and  can  occur,  for  example,  in  an  incorrectly 
shielded  cable  as  shown  in  Figure  7.  Figure  4  is  a  simple 
model  of  this  incorrectly  shielded  cable,  where  Ls  repre- 
sents the  inductance  of  the  shield,  Lc  represents  the  induc- 
tance of  one  of  the  center  conductors,  and  Lm  represents 
the  mutual  inductance  between  the  two.  The  noise  cur- 
rent l(t)  flows  through  Ls  and  establishes  a  magnetic  flux; 
this  time-varying  flux  also  surrounds  U  and  produces  a 


Figure  4.  Mutual  Inductance  Noise 

voltage  Vnoise<t)  proportional  to  the  time  rate  of  change  of 
the  current  I  (t)  flowing  through  Ls.  This  voltage  can  be 


expressed  as  VnolseW  =  Ln 


dl(t) 
dt 


The  third  element  involved  in  any  noise  problem  is  the  re- 
ceiver, or  the  circuit  susceptible  to  the  noise.  It  is  impor- 
tant to  understand  the  role  of  each  of  the  three  elements 
(the  noise  source,  the  coupling  medium,  and  the  receiver) 
in  order  to  solve  the  noise  problem.1  In  this  experiment 
it  was  determined  that  the  noise  sources  were  60Hz  pick- 
up and  AM  radio  signals,  the  coupling  medium  was  stray 
capacitance,  and  the  receiver  was  the  AD524. 

INITIAL  NOISE  EFFECT 

The  photograph  in  Figure  5  shows  the  output  of  the  circuit 
in  Figure  1  with  the  shield  ungrounded  and  with  the  re- 
mote AD590  at  30°C.  Ideally,  the  output  should  be  a  3V 
(100mV/°C)  dc  signal.  However,  a  60Hz  signal  resulting 
from  an  electric  field  has  been  capacitively  coupled  into 
the  circuit  via  the  stray  capacitance  of  the  cable  and  then 
amplified  by  a  gain  of  100.  Note,  however,  that  the  60Hz 
signal  is  offset  by  a  dc  signal;  when  the  output  voltage  of 


Figure  5.  E0  (Figure  V  with  Shield  Ungrounded 
the  AD524  was  measured  with  a  dc  voltmeter  the  value 
read  was  3.0V.  This  is  because  the  voltmeter  read  the 
value  of  the  dc  signal  due  to  the  AD590  along  with  the  av- 
erage value  of  the  60Hz  sine  wave  noise  signal.  The  aver- 
age value  of  a  sine  wave  is  zero.  In  essence,  notwithstand- 
ing the  interferring  signal  the  average  value  was  correct. 
The  accuracy  of  all  the  measurements  were  verified 
through  the  use  of  an  RTD  measurement  system;  the 
AD590  under  test  was  physically  attached  to  the  RTD. 

SHIELDING 

One  effective  way  to  eliminate  electrostatic  noise  is  to  use 
shielding.  A  charge  resulting  from  an  external  potential 
cannot  exist  on  the  interior  of  a  closed  conducting  sur- 
face. A  shield  is,  in  effect,  a  closed  conducting  surface  that 
surrounds  the  twisted  pair  of  wires  within  the  cable. 

1An  excellent  article  dealing  with  this  subject  is  "Understanding  Inter- 
ference-Type Noise"  by  Alan  Rich,  found  in  Section  20  of  the  Analog 
Devices  Databook. 
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In  order  for  a  shield  to  be  effective  it  should  be  connected 
to  the  reference  potential  of  any  circuitry  contained  within 
the  shield.  If  the  signal  is  connected  to  earth  ground,  then 
the  shield  should  be  connected  to  earth  ground  (see  Fig- 
ure 6).  No  voltage  should  exist  between  the  reference  po- 
tential and  the  shield  conductor. 


REFERENCE  POTENTIAL 

Figure  6.  Correctly  Shielded  Cable 


Figure  7.  Incorrectly  Shielded  Cable 

Only  one  end  of  the  shield  should  be  tied  to  "ground". 
Tying  both  ends  of  the  shield  to  "ground"  will  produce  a 
shield  current  equal  to  the  difference  in  the  potential  of 
the  two  "grounds"  divided  by  the  series  resistance  of  the 
shield  (see  Figure  7).  As  previously  discussed,  the  mutual 
inductance  between  the  shield  and  conductors  will  couple 
this  noise  current  into  the  conductors  in  the  form  of  a 
series  voltage,  Vnoise. 


Figure  8.  E0  with  Shield  Grounded 

Although  the  60Hz  signal  noise  has  been  eliminated,  volt- 
age spikes  are  still  visible  in  Figure  8.  Figure  9,  which  is 
another  view  of  the  AD524  output  with  the  scope  ac 
coupled  and  the  scale  magnitude  increased,  shows  the 
high  frequency  noise  still  being  picked  up  by  the  cable.  A 
look  at  Figure  10,  which  is  a  view  of  the  signal  being  fed 
into  the  noninverting  terminal  of  the  AD524,  shows  that 
the  noise  being  picked  up  is  actually  an  AM  radio  signal. 

RF  NOISE 

RF  noise  is  a  combination  of  an  electric  field  and  a  mag- 
netic field,  or  an  electromagnetic  field.  This  elec- 
tromagnetic field  extends  into  and  beyond  the  space  be- 
tween conductors.  That  is,  the  electromagnetic  field  and 
hence  the  RF  energy  is  "steered"  by  the  conductors. 


Figure  9.  RF  Noise  at  EQ 


Figure  10.  RF  Noise  at  AD524  +  Input 

RF  energy  both  enters  and  is  reflected  in  a  system  wherev- 
er there  is  an  impedance  mismatch  or  discontinuity  in  the 
system.  This  includes  discontinuities  at  the  end  of  the  sig- 
nal run;  at  the  AD590  end  and  the  AD524  end  of  the  cable. 
In  order  to  eliminate  these  discontinuities  it  would  be  nec- 
essary to  rf  shield  the  entire  circuit  system,  perhaps  using 
conduit  and  metal  boxes.  In  most  cases  however,  this  is 
rather  impractical. 

What  is  usually  sufficient  for  most  systems  is  to  provide 
rf  filtering  using  passive  components  at  the  critical  point 
of  interest.  It  is  important  to  note  that  this  filter  may  not 
eliminate  the  rf  energy  but  it  may  just  reflect  the  energy 
and  redistribute  the  problem.  A  circuit  topology  which  en- 
sures that  none  of  the  external  circuitry  is  affected  by  the 
rf  noise  is  discussed  later. 

BYPASS  CAPACITORS 

A  bypass  capacitor  can  be  used  to  divert  some  of  the  high 
frequency  noise  current  to  ground.  Figure  1 1  is  a  simple 
schematic  that  shows  the  effect  of  the  bypass  capacitor. 
Recalling  that  the  reactance  of  a  capacitor  Xc  =  1/2-irfC 
and  assuming  that  we  have  the  minimum  radio  carrier  fre- 
quency of  550kHz,  using  a  0.33|xF  capacitor  the  imped- 
ance seen  by  the  noise  current  is: 

Xc  =  1/2tt  (550  x  103)  (0.33  x  10~6)  =  0.88O 

Of  course  the  direct  current  supplied  by  the  AD590  will  be 
unaffected  by  the  bypass  cap  and  will  continue  to  flow 
into  the  1kfl  resistor.  Only  the  high  frequency  noise  cur- 
rent will  be  affected.  Figure  12,  which  is  a  view  of  the  sig- 
nal at  the  AD524  noninverting  terminal,  shows  the  result 
of  tying  a  0.33|iF  capacitor  across  the  1  kfl"load"  resistor 
with  the  shield  still  grounded.  Figure  13  is  a  look  at  the 
output  signal  of  the  AD524  with  the  0.33(iF  capacitor. 
Compare  Figures  10  and  12,  and  Figures  9  and  13.  The 
bypass  capacitor  reduces  the  noise  magnitude  by  a  factor 
greaterthan5. 
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In  this  instance  the  radio  carrier  frequency  was  550kHz. 
It's  important  not  to  ignore  rf  noise,  even  if  the  bandwidth 
of  the  external  circuiry  is  smaller  than  the  bandwidth  of 
the  rf  noise.  A  large  rf  component  will  overload  the  inputs 
of  the  external  circuitry  and  be  detected,  causing  an  ap- 
parent dc  shift  in  the  component's  output  signal. 


0.33|iF 
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Figure  1 1.  Bypass  Caps  Reduce  RF  Noise  Effect 
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Figure  12.  AD524  +  Input  with  Bypass  Cap 
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Figure  13.  E0  with  Bypass  Cap 
SERIES  RESISTORS 

Although  an  improvement,  Figure  13  shows  that  noise  is 
still  entering  the  circuit.  Another  method  of  reducing  the 
amount  of  noise  seen  at  the  noninverting  terminal  of  the 
op  amp  is  to  limit  the  noise  currents  through  the  cable  by 
adding  1kft  resistors  in  series  with  the  AD590. 

This  in  effect  forms  a  noise-voltage  divider  between  the 
load  impedance  (the  1kQ  resistor  and  the  0.33p.F 
capacitor)  and  the  series  resistors.  Figure  14  shows  the 
output  of  the  AD524  with  this  final  circuit  configuration. 
The  10mV  p-p  amplitude  of  the  output  noise  is  actually 
100  x  the  amplitude  of  the  noise  seen  at  the  input  of  the 
AD524,  which  is  100|ji.V  p-p.  Note  also  that  the  high  fre- 
quency spikes  in  Figure  13  have  been  eliminated  in  Figure 
14.  Figure  15  is  the  schematic  of  the  final  circuit  which  has 
reduced  the  noise  by  a  factor  of  2000  over  the  circuit  in 
Figure  1. 
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Figure  14.  E0  with  Bypass  Cap  and  Series  Resistors 
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Figure  15. 

CONCLUSION 

In  order  to  eliminate  the  effects  of  rf  noise,  the  circuit  of 
Figure  1 6  is  recommended. 

In  Figure  16,  the  resistors  and  capacitors  are  placed  at 
both  ends  of  the  cable.  This  ensures  that  the  rf  noise  re- 
mains within  the  cable  and  does  not  affect  the  external  cir- 
cuitry. Further  note  that  these  resistors  can  be  arbitrarily 
large  as  long  as  the  voltage  potential  is  large  enough  to 
supply  the  current  (V  =  IR).  The  use  of  a  bypass  capacitor 
across  the  AD590  with  the  series  resistors  will  filter  rf  sig- 
nals. Theoretically  the  rf  signal  could  be  rectified  by  the 
AD590  and  offset  the  accuracy  of  the  device. 

Using  the  techniques  outlined  above,  noise  and  interfer- 
ence can  be  effectively  eliminated  through  the  use  of 
shielded  twisted  pair  cable  and  resistors  and  capacitors. 
Thus  it  is  possible  to  drive  the  AD590  over  1000  feet  of 
cable  without  a  loss  of  accuracy. 


Figure  16. 
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Sigma-Delta  ADCs  and  DACs 


Sigma-Delta  Overview 

Within  the  last  several  years,  the  sigma- 
delta  architecture  has  become  more  and  more 
popular  for  realizing  high-resolution  ADCs  in 
mixed-signal  VLSI  processes.  Until  recently, 
however,  the  process  technology  needed  to 
make  these  devices  commercially  viable  has 
not  been  available.  Now  that  1  micron  and 
smaller  CMOS  geometries  are  manufacture- 
able,  sigma-delta  converters  will  become  even 
more  prolific  in  certain  types  of  applications, 
especially  mixed-signal  ICs  which  combine 
the  ADC,  DAC,  and  DSP  functions  on  a 
single  chip. 

Conceptually,  the  sigma-delta  architecture 
is  more  digital  than  analog  intensive.  This 
does  not,  however,  minimize  the  importance 
of  the  analog  portion  of  the  sigma-delta  ADC. 
The  design  of  a  fifth-order  sigma-delta  modu- 
lator (as  in  the  AD1879  dual  18  bit  ADC)  is 
certainly  not  a  trivial  matter,  and  neither  is 
the  digital  filter.  The  sigma-delta  converter 
is  inherently  an  oversampling  converter, 
although  over-sampling  is  just  one  of  the 
techniques  contributing  to  the  overall  per- 
formance. Basically,  a  sigma-delta  converter 
digitizes  an  analog  signal  with  a  very  low 

SIGMA-DELTA  CONCEPTS 

■  Ideal  Topology  for  Mixed  Signal  VLSI  Chips 

■  Oversampling 

■  Noise-Spectrum  Shaping  Using  Sigma-Delta 
Modulator 

■  Digital  Filtering 


resolution  (1  bit)  ADC  at  a  very  high  sam- 
pling rate.  By  using  oversampling  tech- 
niques in  conjunction  with  noise  shaping  and 
digital  filtering,  the  effective  resolution  is 
increased.  Decimation  is  then  used  to  reduce 
the  effective  sampling  rate  at  the  ADC  out- 
put. The  sigma-delta  ADC  exhibits  excellent 
differential  and  integral  linearity  due  to  the 
linearity  of  the  1  bit  quantizer  and  DAC,  and 
no  trimming  is  required  as  in  other  ADC 
architectures. 

The  key  concepts  involved  in  understand- 
ing the  operation  of  sigma-delta  converters 
are  oversampling,  noise  shaping  (using  a 
sigma-delta  modulator),  digital  filtering,  and 
decimation. 

Oversampling 

The  concept  of  oversampling  has  been  pre- 
viously discussed  in  Section  III,  and  is  illus- 
trated again  in  Figure  6.2  and  6.3.  As  was 
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discussed,  one  significant  benefit  of  oversam- 
pling is  that  the  roiloff  requirements  on  the 
analog  antialiasing  filter  are  relaxed.  The 
quantization  noise  (rms  value  over  Nyquist 
bandwidth  is  q/  N12  ,  where  q  is  the  weight 
of  the  LSB)  which  falls  between  f 12  and  kf 12 
is  removed  from  the  output  by  the  digital 
filter  (k  is  the  oversampling  ratio).  This  has 
the  effect  of  increasing  the  overall  signal-to- 
noise  ratio  by  an  amount  equal  to  101og10(k). 
Unfortunately  this  is  a  high  price  to  pay  for 
extra  resolution,  as  an  oversampling  ratio  of 
4  is  required  just  to  increase  the  signal-to- 
noise  ratio  by  a  modest  6dB  (1  bit).  Td  keep 
the  oversampling  ratio  within  reasonable 
bounds,  it  is  possible  to  shape  the  frequency 
spectrum  of  the  quantization  noise  so  that 
the  majority  of  the  noise  lies  between  f 12 
and  kf  12,  and  only  a  small  portion  is  left 


between  dc  and  f 12.  This  is  precisely  what  a 
sigma-delta  modulator  does  in  a  sigma-delta 
ADC.  After  the  noise  spectrum  is  shaped  by 
the  modulator,  the  digital  filter  can  then 
remove  the  bulk  of  the  quantization  noise 
energy,  and  the  overall  signal-to-noise  ratio 
(hence  the  dynamic  range)  is  dramatically  in- 
creased. 
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Sigma-Delta  Modulators  and 
Quantization  Noise  Shaping 

A  block  diagram  of  a  first-order  sigma- 
delta  ADC  is  shown  in  Figure  6.4.  The  first 
part  of  the  converter  is  the  sigma-delta 
modulator  which  converts  the  input  signal 
into  a  continuous  serial  stream  of  l's  and  O's 
at  a  rate  determined  by  the  sampling  clock 
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frequency,  kfB.  The  1-bit  DAC  is  driven  by 
the  serial  output  data  stream,  and  the  DAC 
output  is  subtracted  from  the  input  signal. 
Feedback  control  theory  tells  us  that  the 
average  value  of  the  DAC  output  (hence  the 
serial  bit  stream)  must  approach  that  of  the 
input  signal  if  the  loop  has  enough  gain.  The 
integrator  can  be  represented  in  the  fre- 
quency domain  by  a  filter  whose  amplitude 
response  is  proportional  to  1/f,  where  f  is  the 
input  frequency.  Since  the  chopper-like 
action  of  the  clocked,  latched  comparator 
converts  the  input  signal  to  a  high-frequency 
ac  signal,  varying  about  the  average  value  of 
the  input,  the  effective  quantization  noise  at 
low  frequencies  is  greatly  reduced  (the  inte- 
grator looks  like  a  high-pass  filter  to  quanti- 
zation noise).  The  exact  frequency  spectrum 
of  the  resulting  noise  depends  on  the  sam- 
pling rate,  the  integrator  time  constant,  and 
the  precise  span  of  the  voltage  fed  back. 

For  any  given  input  value  in  a  single 
sampling  interval,  the  data  from  the  1-bit 
ADC  is  virtually  meaningless.  Only  when  a 
large  number  of  samples  are  averaged,  will  a 
meaningful  value  result.  The  sigma-delta 
modulator  is  very  difficult  to  analyze  in  the 
time  domain  because  of  this  apparent  ran- 
domness of  the  single-bit  data  output.  If  the 
input  signal  is  near  positive  fullscale,  it  is 
clear  that  there  will  be  more  l's  than  O's  in 
the  bit  stream.  Likewise,  for  signals  near 
negative  fullscale,  there  will  be  more  O's  than 
l's  in  the  bit  stream.  For  signals  near 
midscale,  there  will  be  approximately  an 
equal  number  of  l's  and  O's.  Figure  6.5 
shows  the  output  of  the  integrator  for  two 
input  conditions.  The  first  is  for  an  input  of 
zero  (midscale).  To  decode  the  output,  pass 
the  output  samples  through  a  simple  digital 
lowpass  filter  that  averages  every  four 
samples.  The  output  of  the  filter  is  2/4.  This 
value  represents  bipolar  zero.  If  more 
samples  are  averaged,  more  dynamic  range 


is  achieved.  For  example,  averaging  4 
samples  gives  2  bits  of  resolution,  while 
averaging  8  samples  yields  4/8,  or  3  bits  of 
resolution.  In  the  bottom  waveform  of  Fig- 
ure 6.5,  the  average  obtained  for  4  samples  is 
3/4,  and  the  average  for  8  samples  is  6/8. 

The  sigma-delta  ADC  can  also  be  viewed 
as  a  synchronous  voltage-to-frequency  con- 
verter followed  by  a  counter.  If  the  number 
of  l's  in  the  output  data  stream  is  counted 
over  a  sufficient  number  of  samples,  the 
counter  output  will  represent  the  digital 
value  of  the  input.  Obviously,  this  method  of 
averaging  will  only  work  for  dc  or  very  slowly 
changing  input  signals.  In  addition,  2N  clock 
cycles  must  be  counted  in  order  to  achieve  N- 
bit  effective  resolution,  thereby  severely 
limiting  the  effective  sampling  rate. 

Further  analysis  of  the  sigma-delta  archi- 
tecture is  best  done  in  the  frequency  domain 
using  the  linear  model  shown  in  Figure  6.6. 
Note  that  the  integrator  is  represented  as  an 
analog  filter  with  a  given  transfer  function 
H(f).  The  transfer  function  has  an  amplitude 
response  which  is  inversely  proportional  to 
the  input  frequency.  The  quantizer  is  mod- 
eled as  a  gain  stage  followed  by  the  addition 
of  quantization  noise.  One  of  the  advantages 
of  using  frequency  domain  analysis  is  that 
algebra  can  be  used  to  describe  the  signals. 
The  output  value  y  can  be  represented  as  the 
difference  x  -  y  from  the  summing  node  at 
the  input  multiplied  by  the  transfer  function 
of  the  analog  filter  (integrator),  multiplied  by 
the  gain  block,  and  then  added  with  the 
quantization  noise  Q.  If  we  set  the  gain  to  1, 
and  the  transfer  function  is  represented  as 
1/f,  the  following  mathematical  relationship 
results: 

x  -  y      ^  , 
y  =  +  Q  ,  or  by  rearranging, 


x  Of 

y=  + 

f+1  f+1 
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FREQUENCY  DOMAIN  LINEARIZED  MODEL 
OF  A  SIGMA  DELTA  MODULATOR 


Q  =  QUANTIZATION  NOISE 


Figure  6.6 


Note  that  as  frequency  f  approaches  0,  the 
output  approaches  x  with  no  noise  compo- 
nent. At  higher  frequencies,  the  value  of  x  is 
reduced,  and  the  value  of  the  noise  compo- 
nent is  increased.  For  high  frequency  inputs, 
the  output  consists  primarily  of  quantization 
noise.  In  essence,  the  analog  filter  has  a  low 
pass  effect  on  the  signal  and  a  high  pass 
effect  on  the  noise  component.  For  this 
reason,  the  analog  filter  of  the  modulator  can 
be  viewed  as  a  noise  shaping  filter  as  shown 
in  Figure  6.7. 

SHAPED  QUANTIZATION 
NOISE  DISTRIBUTION 


Figure  6.7 


As  with  analog  filters  in  general,  higher 
order  filters  offer  better  performance.  This  is 
also  true  of  the  sigma-delta  modulator, 
provided  certain  precautions  are  taken.  A 
second  order  sigma-delta  modulator  is  shown 
in  Figure  6.8,  and  a  comparison  between  the 
noise  shaping  functions  is  shown  in  Figure 
6.9.  Figure  6.10  shows  a  plot  of  the  corre- 
sponding in-band  signal-to-noise  ratio  (dy- 
namic range)  as  a  function  of  the  oversam- 
pling  ratio  for  a  first  and  second  order  modu- 
lator. Note  that  the  first  order  transfer 
function  has  a  slope  of  9dB  per  octave,  while 
the  second  order  transfer  function  slope  is 
15dB  per  octave.  Higher  order  modulators 
(greater  than  second  order)  can  realize  even 
better  performance,  but  the  simple  linear 
model  must  be  used  with  great  care,  and  so- 
phisticated design  techniques  are  required  in 
order  to  insure  stability.  The  curve  shown  in 
Figure  6.10  for  the  third-order  loop  repre- 
sents an  unrealizable  condition  and  is  shown 
for  reference  only. 

The  curves  in  Figure  6.10  can  be  used  to 
determine  the  approximate  ADC  resolution 
achievable,  given  the  modulator  order  and 
the  oversampling  rate.  For  instance,  if  the 
oversampling  rate  is  64x,  an  ideal  second 
order  system  is  capable  of  providing  a  signal 
to  noise  ratio  of  about  80dB.  This  implies  an 
ADC  resolution  of  approximately  13  bits. 
Although  the  filtering  done  by  the  digital 
filter  can  be  done  to  any  degree  of  precision 
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desirable,  it  would  be  pointless  to  carry  more 
than  13  binary  bits  to  the  outside  world. 
Additional  bits  would  carry  no  useful  signal 
information,  and  would  be  buried  in  noise. 
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Digital  Filtering  and  Decimation 

After  the  quantization  noise  has  been 
shaped  by  the  modulator  and  pushed  into  the 
frequencies  above  the  band  of  interest, 
digital  filtering  techniques  can  be  applied  to 
this  shaped  quantization  noise  as  shown  in 
Figure  6.11.  The  purpose  of  the  digital  filter 
is  twofold.  First,  it  must  act  as  an  antiali- 
asing filter  with  respect  to  the  final  sampling 
rate,  fs.  Second,  it  must  filter  out  the  higher 
frequency  noise  produced  by  the  noise- 
shaping  process  of  the  sigma-delta  modula- 
tor. 
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The  final  data  rate  reduction  is  performed 
by  digitally  resampling  the  filtered  output 
using  a  process  called  decimation.  The 
decimation  of  a  discrete-time  signal  is  shown 
in  Figure  6.12,  where  the  sampling  rate  of 
the  input  signal  x(n)  is  at  a  rate  which  is  to 
be  reduced  by  a  factor  of  4.  The  signal  is 
resampled  at  the  lower  rate  (the  decimation 
rate),  s(n).  Decimation  can  also  be  viewed  as 
the  method  by  which  the  redundant  signal 
information  introduced  by  the  overs ampling 
process  is  removed. 

In  sigma-delta  ADCs  it  is  quite  common  to 
combine  the  decimation  function  with  the 
digital  filtering  function.  This  results  in  an 
increase  in  computational  efficiency  if  done 
correctly. 

Recall  that  a  finite  impulse  filter  (FIR) 
simply  computes  a  moving  weighted  average 
(the  weighting  being  determined  by  the 
individual  filter  coefficients)  of  the  input 
samples.  Normally,  there  is  one  filter  output 
for  every  input  sample.  If,  however,  we  wish 
to  decimate  the  filter  output  by  digitally 
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resampling  at  a  lower  rate,  it  is  no  longer 
necessary  to  compute  a  filter  output  for  every 
input  sample.  Instead,  we  only  compute 
filter  outputs  at  the  lower  decimation  rate, 
thereby  achieving  considerable  efficiency  in 
the  computational  process. 

If,  however,  an  infinite  impulse  response 
(IIR)  filter  is  used,  it  is  necessary  to  compute 
an  output  for  every  input  (because  of  the 
feedback  term),  and  therefore  the  decimation 
cannot  be  performed  as  part  of  the  digital 
filtering  process.  In  some  sigma-delta  ADC 
designs,  the  filtering  is  performed  in  two 
stages.  If  both  FIR  and  IIR  filters  are  used, 
the  decimation  is  performed  in  the  first  FIR 
stage,  and  the  final  filtering  is  done  in  the 
final  IIR  stage.  If  FIR  filters  are  used  for 
both  stages,  it  is  usually  more  efficient  to 
split  the  decimation  between  the  two  filter 
stages. 

From  the  above  discussion  it  should  be 
clear  that  the  design  of  a  sigma-delta  ADC 
digital  filter  involves  many  tradeoffs.  FIR 
filters  lend  themselves  to  decimation,  are 
always  stable,  and  have  linear  phase  charac- 
teristics (extremely  important  in  audio  and 
some  telemetry  applications).  Although  they 
are  typically  easier  to  design,  they  usually 
require  more  stages  to  realize  a  given  trans- 
fer characteristic  than  a  corresponding  IIR 
filter.  On  the  other  hand,  the  IIR  filter 
employs  feedback  which  eliminates  the 
possibility  of  decimation  within  the  filter,  but 
makes  the  filter  more  efficient  (better  filter 
performance  with  fewer  calculations).  The 
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feedback  used  in  IIR  filters  can  lead  to  a  po- 
tentially unstable  filter  implementation. 
Also,  the  IIR  filter  (which  will  closely  emu- 
late filter  functions  realized  in  the  analog 
domain)  exhibits  non-linear  phase  character- 
istics. Because  of  the  stability  issues  and  the 
quantization  effects  in  the  feedback  loop,  IIR 
niters  are  more  complicated  to  design  cor- 
rectly. 

Idling  Pattern  and  Tonal 
Considerations  for  Sigma-Delta  ADCs 

In  our  discussion  of  sigma-delta  ADCs  up 
to  this  point,  we  have  made  the  assumption 
that  the  quantization  noise  produced  by  the 
sigma-delta  modulator  is  random  and  uncor- 
related  with  the  input  signal.  Unfortunately, 
this  is  not  entirely  the  case,  especially  for  the 
first-order  modulator.  Consider  the  case 
where  we  are  averaging  16  samples  of  the 
modulator  output  in  a  4  bit  sigma-delta  ADC. 
Figure  6.14  shows  the  bit  pattern  for  two 
input  signal  conditions:  an  input  signal 
having  the  value  8/16,  and  an  input  signal 
having  the  value  9/16.  In  the  case  of  the 
9/16  signal,  the  modulator  output  bit  pattern 
has  an  extra  "1"  every  16th  output.  This  will 
produce  energy  at  f8/16,  which  translates  into 
an  unwanted  tone.  If  the  oversampling  ratio 
is  less  than  16,  this  tone  will  fall  into  the 
passband.  Figure  6.15  shows  the  correlated 
idling  pattern  behavior  for  a  first  order 
sigma-delta  modulator,  and  Figure  6.16 
shows  the  relatively  uncorrelated  pattern  for 
a  second-order  modulator.  For  this  reason, 
virtually  all  sigma-delta  ADCs  contain  at 
least  a  second-order  modulator  loop. 
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Higher  Order  Modulator  Loops 

In  order  to  achieve  wide  dynamic  range, 
sigma-delta  modulator  loops  greater  than 
second-order  are  necessary,  but  present  real 
design  challenges.  First  of  all,  the  simple 
linear  models  previously  discussed  are  no 
longer  fully  accurate.  Loops  of  order  greater 
than  two  are  generally  not  guaranteed  to  be 
stable  under  all  input  conditions.  The  insta- 
bility arises  because  the  comparator  is  a  non- 
linear element  whose  effective  "gain"  varies 
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inversely  with  the  input  level.  This  mecha- 
nism for  instability  causes  the  following 
behavior:  if  the  loop  is  operating  normally, 
and  a  large  signal  is  applied  to  the  input  that 
overloads  the  loop,  the  average  gain  of  the 
comparator  is  reduced.  The  reduction  in 
comparator  gain  in  the  linear  model  causes 
loop  instability.  This  causes  instability  even 
when  the  signal  that  caused  it  is  removed. 
In  actual  practice,  such  a  circuit  would 
normally  oscillate  on  power-up  due  to  initial 
conditions  caused  by  turn-on  transients. 

Instability  in  the  AD1879  fifth-order 
modulator  is  sensed  digitally  by  counting  the 
number  of  consecutive  ones  or  zeros  in  the 
modulator  bit  stream.  A  sufficiently  long 
string  of  either  ones  or  zeros  indicates  modu- 
lator instability.  This  triggers  circuitry 
which  resets  the  state  in  the  integrators  to 
put  the  modulator  into  a  stable  operating 
condition. 

Descrhtion  of  AD 1879  18  Bit 
Sigma-Delta  Audio  ADC 

The  AD 1879  is  a  state-of-the-art  dual  18 
bit  sigma-delta  ADC  designed  to  meet  the 
stringent  requirements  of  professional  digital 
audio.  A  block  diagram  of  the  device  is 
shown  in  Figure  6.18,  and  performance 
specifications  are  given  in  Figure  6.19.  The 
modulator  is  a  fifth-order  switched  capacitor 
design  which  shapes  the  noise  spectrum  as 
shown  in  Figure  6.20.  The  oversampling 
ratio  is  64x,  which  places  the  oversampling 
frequency  at  3.072MHz  for  the  standard 
audio  sampling  rate  of  48kHz.  Because  of 
the  high  oversampling  ratio,  a  single-pole 
analog  antialiasing  filter  is  sufficient  at  the 
input  of  the  ADC. 

AD1879  DUAL  18-BIT  SIGMA-DELTA  ADC 
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Figure  6.18 
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AD1879  18-BIT  SIGMA-DELTA 
ADC  KEY  SPECIFICATIONS 
Two  18-Bit  Channels  for  Stereo  Digital  Audio 
Interchannel  Crosstalk:  -110dB  at  1kHz 
SNR:104dB 
THD: 100dB 

Oversampling  Ratio:  64 x 
Output  Word  Rate:  55kHz  Maximum 
Linear  Phase  Digital  Filter 
Power:  900mW 

28-Pin,  600-mil  Plastic  Package 


Figure  6.19 


AD1879 

MODULATOR  OUTPUT  SPECTRUM 


FREQUENCY  (kHz) 


Figure  6.20 

For  audio  ADCs  such  as  the  AD1879,  the 
digital  lowpass  filter  cannot  be  implemented 
using  standard  multiply-accumulate  struc- 
tures and  present-day  semiconductor  technol- 
ogy. For  example,  we  require  a  filter  which 
operates  at  a  sample  rate  of  3.072MHz  (64  x 
48kHz),  is  flat  to  20kHz  and  has  a  stopband 
attenuation  of  over  115dB  starting  at 
26.2kHz.  If  we  plug  these  requirements  into 
a  standard  FIR  equiripple  design  program, 
the  number  of  coefficients  required  is  4096. 
At  an  output  sample  rate  of  48kHz,  we  would 
require  a  multiply-accumulate  time  of  5.  Ins. 
This  is  clearly  too  fast  for  a  standard  FIR 
filter  structure  to  implement  because  of  semi- 


conductor process  limitations.  For  this 
reason,  we  must  use  either  a  parallel  proc- 
essing approach  where  more  than  one  multi- 
ply-accumulate is  being  executed  at  any  one 
time,  or  a  multi-rate  approach  where  the 
decimation  is  done  in  more  than  one  step. 
For  the  AD  1879,  a  novel  parallel  processing 
approach  was  chosen  as  described  further  in 
Reference  1.  The  characteristics  of  this  filter 
are  given  in  Figure  6.21,  and  the  amplitude 
response  in  Figure  6.22. 

AD1879 

DIGITAL  FILTER  CHARACTERISTICS 

■  Stopband  Attenuation:  118dB 

■  Passband  Ripple:  ±0.0008dB 

■  Cutoff  Frequency  (48kHz  output  rate): 
21.7kHz 

■  Stopband  Frequency  (48kHz  output  rate): 
26.2kHz 

■  Number  of  Parallel  Accumulators: 
64  27-Bit  Accumulators 

■  Coefficient  Word  length:  22-Bits 

■  Number  of  Taps:  4096 


Figure  6.21 


The  AD1879  ADC  is  a  compound  mono- 
lithic IC.  One  chip  performs  the  sigma-delta 
modulation  function,  while  the  second  c 
performs  the  digital  filtering. 


AD1879  DIGITAL  FILTER  RESPONSE 
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Figure  6.22 
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Sigma-Delta  ADCs  for  Low  Frequency 
Measurement  Applications 

Applications  such  as  industrial  process 
control,  weigh  scales,  temperature  and 
pressure  measurement  instruments  require 
ADCs  which  can  digitize  low  frequency 
signals  (usually  less  than  10Hz)  to  16  bit  or 
higher  precision.  In  the  past,  this  need  was 
filled  almost  exclusively  by  integrating  (or 
dual-slope)  ADCs.  Sigma-delta  converters 
offer  an  attractive  alternative.  In  addition  to 
reduced  cost  and  size,  low  frequency  sigma- 
delta  ADCs  offer  on-board  digital  filtering  as 
well  as  system  and  self-calibration  functions. 
Sampling  rates  allow  processing  of  signals  of 
up  to  10Hz  bandwidths,  and  power  line 
frequency  rejection  of  sigma-delta  ADCs  can 
be  maintained  over  a  much  wider  range  of 
frequency  variation  than  with  traditional  in- 
tegrating ADCs.  Power  supply  rejection  of 
dual  slope  ADCs  depends  on  the  instantane- 
ous line  frequency  variations  since  the  sam- 
pling clock  is  synchronized  to  the  line. 

Afunctional  block  diagram  of  the  AD7701 
monolithic  16  bit  sigma-delta  ADC  is  shown 
in  Figure  6.23  and  key  specifications  in 
Figure  6.24. 


At 
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Figure  6.23 

The  AD7701  contains  a  second-order 
sigma-delta  modulator  which  samples  the 
analog  input  signal  at  a  16kHz  rate  when 
the  external  clock  frequency  is  4.096MHz. 
The  quantization  noise  is  therefore  spread 
over  the  bandwidth  0  to  8kHz.  The  device 
contains  a  6-pole  gaussian  lowpass  digital 
filter  which  has  a  cutoff  frequency  of  10Hz  at 
the  maximum  clock  rate.  The  16kHz  sam- 
pling rate  therefore  represents  an  oversam- 


AD7701 

LOW  FREQUENCY  MEASUREMENT 
ADC  KEY  SPECIFICATIONS 

■  Monolithic  16-Bit  ADC 

■  0.0015%  Linearity  Error 

■  4  kSPS  Output  Data  Rate 

■  Programmable  Low  Pass  Filter: 
0.1  Hz  to  10Hz  Corner  Frequency 

■  On-Chip  Self-Calibration  Circuitry 

■  0  to  +2.5V  or  +2.5V  Input  Range 

■  40mW  Power  Dissipation 

■  20uW  Standby  Mode 

■  Flexible  Serial  Interface 


Figure  6.24 


pling  ratio  of  800  with  respect  to  the  10Hz 
cutoff  frequency.  The  filter  provides  55dB  of 
60Hz  rejection  under  these  conditions.  If  the 
clock  frequency  is  halved  to  give  a  5Hz  cutoff, 
60Hz  rejection  is  better  than  90dB.  Power 
supply  rejection  is  70dB  in  the  0.1  to  10Hz 
bandwidth,  and  PSRR  at  60Hz  exceeds 
120dB  due  to  the  digital  filter.  The  fre- 
quency response  of  the  digital  filter  at  vari- 
ous clock  rates  is  shown  in  Figure  6.25. 

AD7701  DIGITAL  FILTER  RESPONSE 
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Figure  6.25 


The  long  settling  time  of  the  internal 
digital  filter  (shown  in  Figure  6.26)  in  the 
AD7701  limits  its  use  in  multiplexed  applica- 
tions where  channels  are  switched  and 
converted  sequentially  at  high  rates.  Switch- 
ing between  channels  which  may  have  differ- 
ent signal  levels  can  cause  a  step  change  in 
the  input.  The  AD7701is  primarily  intended 
for  distributed  converter  systems  using  one 
ADC  per  channel.  Multiplexing  is  possible, 
provided  that  sufficient  settling  time  is 
allowed  before  data  for  the  new  channel  is 
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AD7701  DIGITAL  FILTER  STEP  RESPONSE 


40 


Figure  6.26 

accessed.  The  gaussian  response  worst  case 
settling  time  to  ±0.0007%  (  ±0.5LSB)  is 
125ms  with  a  4.096MHz  master  clock  fre- 
quency. 

The  AD7701  offers  two  calibration  modes 
using  the  on-chip  calibration  microcontroller 
and  SRAM.  In  the  self-calibration  mode, 
zero-scale  is  calibrated  against  the  analog 
ground  pin  (AGND),  and  fullscale  is  cali- 
brated against  V^,  pin.  In  the  system-cali- 
bration mode,  the  AD7701  calibrates  its  zero 
and  fullscale  to  voltages  present  on  the 
analog  input  pin  in  two  sequential  steps, 
thereby  allowing  system  offests  and/or  gain 
errors  to  be  nulled  out. 

The  AD7703  sigma-delta  ADC  has  a 
similar  architecture  to  the  AD7701,  but 
achieves  20  bits  of  resolution  with  0.0003% 
linearity  error.  Key  specifications  for  the 
AD7703  are  summarized  in  Figure  6.27. 


The  AD7710,  AD7711,  and  AD7712  ADCs 
constitute  a  family  of  21  bit  sigma-delta 
ADCs  with  on-chip  signal  conditioning  for 
low  frequency,  low  level  measurement  appli- 
cations such  as  weigh  scales,  thermocouple 
temperature  measurements,  RTD  (resistance 
temperature  detector)  temperature  measure- 
ment, process  controllers,  and  programmable 
loop  controllers.  Common  features  of  the 
three  devices  are  summarized  in  Figure  6.28, 
and  a  block  diagram  of  the  AD7110  is  shown 
in  Figure  6.29. 

AD771 0/771 1/771 2  MEASUREMENT 
ADC  COMMON  KEY  FEATURES 

■  21-Bit  Sigma-Delta  ADCs,  ±0.0015% 
nonlinearity 

■  On-Board  Differential  Input  PGA, 
Gains  from  1  to  128 

120dB  CMRat50,60Hz 

■  First  Filter  Notch  Frequency  and  Output 
Data  Rate  Programmable  from  10Hz  to  1kHz 

■  Sine3  Filter  Respdnse  with  Cutoff  Frequency 
of  0.262  times  First  Filter  Notch  Frequency 

■  Ability  to  Read /Write  Calibration 
Coefficients 

■  Bidirectional  Microcontroller  Serial  Interface 

■  Internal/External  Reference  Option 

■  Single  or  Dual  Supply  Operation 

■  Low  Power  (20mW)  with  Power-Down  Mode 
(10uW) 

Figure  6.28 


AD7703 

LOW  FREQUENCY  MEASUREMENT 
ADC  KEY  SPECIFICATIONS 

■  Monolithic  22-Bit  ADC 

■  0.0003%  Linearity  Error 

■  4  kSPS  Output  Data  Rate 

■  Programmable  Low  Pass  Filter: 
0.1Hz  to  10Hz  Corner  Frequency 

■  On-Chip  Self-Calibration  Circuitry 

■  0  to  +2.5V  or  ±2.5V  Input  Range 

■  40mW  Power  Dissipation 

■  20uW  Standby  Mode 

■  Flexible  Serial  Interface 


Figure  6.27 
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Figure  6.29 
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AD771 0/771 1/771 2 
DIGITAL  FILTER  RESPONSE 


FREQUENCY  (Hz) 

Figure  6.30 

An  on-board  differential  input  PGA  (gain 
=  1  to  128)  enables  the  user  to  control  fulls- 
cale  voltage  and  voltage  resolution.  The 
effects  of  temperature  drift  are  minimized  by 
on-chip  self-calibration  which  removes  zero 
scale  and  fullscale  errors.  The  internal 
digital  filter  has  a  (sin  x/x)3  response,  and  12 
bits  of  data  programmed  into  the  control 
register  determine  the  filter  cutoff  frequency, 
the  position  of  the  first  notch  of  the  filter,  and 
the  data  rate.  In  association  with  the  gain 
selection,  it  also  determines  the  useful  reso- 
lution of  the  device.  The  first  notch  fre- 
quency (which  is  also  the  output  data  rate) 
can  be  programmed  from  10Hz  to  1kHz.  The 
corresponding  -3dB  frequency  is  equal  to 
0.262  times  the  first  notch  frequency.  Figure 
6.30  shows  the  filter  frequency  response  for  a 
cutoff  frequency  of  2.62Hz  which  corresponds 
to  a  first  filter  notch  frequency  of  10Hz.  The 
filter  response  provides  greater  than  lOOdB 
of  50Hz  and  60Hz  common  mode  rejection. 

Key  device-specific  features  for  the  three 
devices  are  given  in  Figures  6.31. 

AD771 0/771 1/771 2 
DEVICE-SPECIFIC  FEATURES 

AD7710: 

■  Two-Channel  Differential  Low-Level 
PGA  Input 

AD7711: 

■  Single-Channel  Differential  Low-Level 
PGA  Input 

■  RTD  (Resistance  Temperature  Detector) 
Excitation  Current  Sources 

AD7712: 

■  Single-Channel  Differential  Low-Level 
PGA  Input 

■  High-Level  Analog  Input 

Figure  6.31 


Sigma-Delta  DACs 

Sigma-delta  D/A  conversion  can  generally 
be  thought  of  as  the  A/D  conversion  process 
in  the  reverse  order,  where  all  the  basic 
functions  of  the  digital  filter  and  sigma-delta 
modulator  previously  discussed  are  the  same. 
Sigma-delta  DACs  offer  essentially  the  same 
advantages  as  sigma-delta  ADCs.  Because  of 
the  large  oversampling  ratio,  the  require- 
ments on  the  antialiasing  reconstruction 
filter  are  greatly  relaxed.  However,  care 
must  be  taken  to  make  sure  the  high  fre- 
quency noise  components  contained  in  the 
one-bit  DAC  output  are  filtered  sufficiently. 
If  a  higher  order  filter  is  required  to  reduce 
this  noise,  then  some  of  the  advantages  of 
the  sigma-delta  DAC  architecture  are  lost. 

Accurate,  low-cost,  high  resolution  laser 
wafer  trimmed  DACs  are  readily  available, 
and  for  this  reason  there  has  been  less  pres- 
sure to  fully  exploit  sigma-delta  DACs  at  the 
component  level.  The  real  incentive  for 
developing  the  sigma-delta  DAC  technology 
is  because  it  is  the  ideal  architecture  for 
mixed-signal  ICs  which  require  the  chip-level 
integration  of  the  ADC,  DAC,  and  DSP 
functions. 

SIGMA-DELTA 
DAC  CONCEPTS 

■  Basically  a  Sigma-Delta  ADC  in  Reverse 

■  Low-Cost,  High  Resolution  R/2R  DACs 
Proliferate  at  the  Component  Level 
with  Oversampling  Capability 

■  Sigma-Delta  DACs  Ideal  for  Chip-Level 
Integration  with  ADC  and  DSP  Functions 

■  Antialiasing  Filter  Must  Remove  High 
Frequency  Noise 

Figure  6.32 

The  traditional  approach  to  achieving 
high  performance  and  wide  dynamic  range 
using  R/2R-based  DACs  is  shown  in  Figure 
6.33.  Due  to  the  binary  nature  of  the  inter- 
nal DAC  switches,  code-dependent  tran- 
sients, or  glitches,  typically  produce  some 
amount  of  harmonic  distortion  in  the  output 
spectrum.  As  discussed  previously  in  the 
DAC  section  of  this  seminar,  a  technique 
called  segmentation  can  greatly  minimize 
these  effects.  For  the  ultimate  in  spectral 
purity,  the  remaining  glitches  can  be  re- 
moved with  a  sample-and-hold  circuit  which 
holds  the  DAC  output  voltage  for  the  dura- 
tion of  the  glitch.  This  technique  can  elimi- 
nate the  code-dependent  glitches  (hence 
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CONVENTIONAL  DAC  DEGLITCHING 
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Figure  6.33 

harmonic  distortion)  at  the  expense  of  intro- 
ducing some  additional  energy  at  the  sam- 
pling frequency.  A  lowpass,  or  smoothing 
filter  is  required  at  the  output  of  the  SHA  to 
prevent  aliasing  as  well  as  eliminate  the 
energy  at  the  sampling  rate.  The  same  basic 
considerations  used  to  define  the  antialiasing 
filter  used  ahead  of  an  ADC  apply  to  the 
smoothing  filter  which  follows  the  DAC.  For 
this  reason,  overs  ampling  relaxes  the 
smoothing  filter  rolloff  requirements  in  a 
similar  manner.  In  fact,  2x,  4x,  and  8x  over- 
sampling  techniques  are  currently  in  wide- 
spread use  in  compact  disk  players  which  use 
conventional  R/2R  16,  18,  and  20  bit  DACs. 

The  main  elements  used  to  implement  a 
sigma-delta  DAC  are  shown  in  Figure  6.34. 
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Figure  6.34 
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The  example  shown  here  is  for  a  16bit  DAC 
which  is  updated  at  an  8kHz  rate  to  produce 
a  voiceband  output  signal  having  a  band- 
width of  4kHz.  The  16  bit  digital  word  is  fed 
to  a  digital  interpolation  filter  where  the 
sampling  rate  is  increased  to  1.024MHz, 
corresponding  to  an  oversampling  ratio  of 
128.  This  process  can  be  viewed  as  the 
reconstruction  of  a  new,  higher  rate  digital 
signal  from  an  older,  lower  rate  digital  sig- 
nal. Figure  6.35  shows  the  interpolation  of  a 
discrete  time  signal  by  a  factor  of  4.  The 
input  signal  x(m)  is  expanded  by  inserting 
three  zero-valued  samples  between  data 
samples.  The  resulting  signal  w(m)  is  low- 
pass  filtered  to  produce  y(m)  whose  sample 
rate  is  increased  by  a  factor  of  4. 

The  digital-input  sigma-delta  modulator 
noise-shapes  the  16-bit  1.024MHz  data 
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Figure  6.35 

stream  and  reduces  the  sample  width  to  one 
bit.  Unlike  the  sigma-delta  modulator  in  a 
sigma-delta  ADC,  this  modulator  is  all  digi- 
tal. The  transfer  function  is  implemented  in 
the  digital  domain  with  an  ILR  filter.  This 
digital  filter  performs  the  same  modulator 
function  as  in  the  ADC,  where  the  input 
signal  is  effectively  lowpass  filtered,  and  the 
quantization  noise  is  high-pass  filtered. 

As  in  the  case  of  a  sigma-delta  ADC,  the  1 
bit  DAC  output  is  meaningless  until  it  is  av- 
eraged in  some  manner.  Also,  there  is  a  need 
to  remove  the  shaped  quantization  noise 
which  resides  in  the  upper  frequency  area. 
Finally,  there  is  also  a  need  to  reject  any 
images  which  result  about  the  output 
Nyquist  rate.  The  analog  smoothing  filter 
performs  these  functions,  usually  in  several 
stages.  It  is  important  for  the  design  of  this 
filter  that  the  filter  characteristics  match  the 
requirements  of  the  overall  system.  For 
example,  an  audio  system  would  need  to 
have  its  phase  and  amplitude  response 
preserved  while  the  output  filter  also  pro- 
vides the  appropriate  rejection  of  higher 
frequency  components.  If  the  smoothing 
filter  is  an  active  filter,  care  must  be  taken 
that  the  op  amps  used  do  not  introduce 
distortion  products  in  the  final  output  due  to 
slewrate  limiting  and  noise. 


The  ADSP-28msp02  Sigma-Delta  CODEC 

The  ADSP-28msp02  is  a  mixed-signal  pe- 
ripheral device  available  based  on  sigma- 
delta  design.  The  device  is  a  linear  codec 
with  a  16-bit  sigma-delta  ADC  and  DAC, 
thereby  providing  a  complete  analog  front 
end  and  back  end  for  high  performance 
voiceband  DSP  applications.  Key  features  of 
the  IC  are  summarized  in  Figure  6.36  and  a 
functional  block  diagram  is  shown  in  Figure 
6  Q7 
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KEY  FEATURES 
OF  THE  ADSP-28msp02 
SIGMA-DELTA  CODEC 


-Delta  ADC 

■  16-Bit  Sigma- Delta  D AC 

■  On-Chip  Antialiasing  and  Smoothing 
Filters 

■  8kSPS  Sampling  Rate,  128x 
Oversampling  Ratio 

■  On-Chip  Voltage  Reference 

■  65dB  SNR  and  THD 

■  Easy  Interface  to  DSP  Chips 

■  24-Pin  DIP/SOIC  Package 

■  Single  +5V  Supply,  100mV  Power 
Dissipation 

■  Ideal  for  Voiceband  Applications 

Figure  6.36 

Compared  to  traditional  m-law  and  A-law 
codecs,  the  ADSP-28msp02's  linear  coded 
ADC  and  DAC  maintain  wide  dynamic  range 
throughout  the  transfer  function.  An  effec- 
tive sampling  rate  of  8kSPS  coupled  with 
65  dB  SNR  and  THD  performance  make  the 
device  attractive  in  many  telecommunica- 
tions applications  such  as  digital  cellular 
telephones.  The  part  is  packaged  in  a  24-pin 
DIP/SOIC  package  ensuring  a  highly  inte- 
grated and  compact  solution  to  voiceband 
analog  processing  requirements.  The  ADSP- 
28msp02  easily  interfaces  to  the  ADSP-2101, 
ADSP-2105,  ADSP-2111,  MC56001  and 
TMS320C25  DSP  processors  via  its  serial  I/O 
port;  the  serial  port  (SPORT)  is  used  to 
transmit  and  receive  data  or  control  informa- 
tion to  and  from  the  device. 


The  encoder  side  of  the  ADSP-28msp02 
consists  of  two  selectable  analog  input  ampli- 
fiers and  a  sigma-delta  ADC.  The  gain  of  the 
input  amplifiers  can  be  adjusted  with  the  use 
of  external  resistors  from  -12dB  to  +26dB. 
An  optional  20dB  preamplifier  can  be  in- 
serted before  the  modulator.  The  preampli- 
fier and  the  multiplexer  are  configured  by 
bits  in  the  control  register.  The  sigma-delta 
ADC  consists  of  a  sigma-delta  modulator,  an 
antialiasing  decimation  filter,  and  a  digital 
high  pass  filter.  The  modulator  noise-shapes 
the  signal  and  produces  1-bit  samples  at  a 
1.024MHz  rate.  This  bit  stream,  represent- 
ing the  analog  input,  is  fed  to  an  antialiasing 
decimation  filter  which  consists  of  two  low- 
pass  filter  stages.  The  first  stage  reduces  the 
sampling  rate  to  40kHz  and  increases  the 
sample  width  to  16  bits;  the  second  further 
reduces  the  sampling  rate  to  8kSPS.  Each 
resulting  sample  is  then  loaded  into  the 
SPORT  for  transmission. 

The  decoder  consists  of  a  sigma-delta  DAC 
and  a  differential  output  amplifier.  The  DAC 
reads  16-bit  samples  at  an  8kHz  rate  from 
the  SPORT.  The  samples  are  low-  and  high- 
pass  filtered  by  the  digital  anti-imaging  and 
high  pass  filters.  The  anti-imaging  filter 
interpolates  the  sampling  rate  in  two  stages, 
first  to  40kHz,  and  then  to  1.024MHz.  The 
resulting  16-bit  samples  are  processed  by  the 
digital  sigma-delta  modulator  which  reduces 
the  sample  width  to  1  bit.  This  bit  stream  is 
fed  to  an  analog  smoothing  filter  which 
converts  the  data  to  an  analog  voltage.  The 
gain  of  the  smoothing  filter  can  be  adjusted 
via  the  control  register  from  -15dB  to  +6dB  is 
3dP>  steps. 


ADSP-28msp02  BLOCK  DIAGRAM 
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Figure  6.37 
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Multi-Stage  Noise  Shaping  (MASH) 
Sigma-Delta  Converters 

As  has  been  discussed,  non-linear  stabili- 
zation techniques  have  been  successfully 
used  to  design  a  fifth-order  sigma-delta  loop 
in  the  AD 1879  audio  ADC.  An  alternative 
approach,  called  multistage  noise  shaping 
(MASH)  utilizes  cascaded  stable  first-order 
loops.  Figure  6.38  shows  a  block  diagram  of 
a  three-stage  MASH  ADC.  The  output  of  the 
first  integrator  is  subtracted  from  the  first 
DAC  output  to  yield  the  first  stage  quantiza- 
tion noise,  Ql.  Ql  is  then  quantized  by  the 
second  stage.  The  output  of  the  second 
integrator  is  subtracted  from  the  second  DAC 
output  to  yield  the  second  stage  quantization 
noise  which  is  in  turn  quantized  by  the  third 
stage. 

MULTI-STAGE  NOISE  SHAPING 
SIGMA-DELTA  ADC  (MASH) 
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Figure  6.38 


MASH  TOPOLOGY  VERSUS 

HIGHER-ORDER  LOOP 
SIGMA-DELTA  CONVERTERS 

■  MASH  Cascades  Single-Order  Loops, 
therefore  Easy  to  Stabilize 

■  Gain  and  Phase  Matching  Critical  in  MASH 
Converters  for  Errors  to  Cancel 

■  MASH  Digital  Differentiators  Must  Match 
Analog  Integrators 

■  Single-Loop  Higher  Order  Modulators  Less 
Subject  to  Idling  Patterns 

■  Single-Loop  Higher  Order  Modulators  More 
Difficult  to  Understand,  Analyze,  and 
Stabilize,  But  Can  Be  Done  Using 
Non-Linear  Techniques  as  in  AD1879 

(5th  Order  Modulator) 

Figure  6.39 

Multi-Bit  Sigma-Delta  Converters 

So  far  we  have  considered  only  sigma- 
delta  converters  which  contain  a  single-bit 
ADC  (comparator)  and  a  single-bit  DAC 
(switch).  The  block  diagram  of  Figure  6.40 
shows  a  multi-bit  sigma-delta  ADC  which 
uses  an  n-bit  flash  ADC  and  an  n-bit  DAC. 
Obviously,  this  architecture  will  give  a  higher 
dynamic  range  for  a  given  oversampling  ratio 
and  order  of  loop  filter.  Stabilization  is 
easier,  since  second-order  and  higher  loops 
can  be  used.  Idling  patterns  tend  to  be  more 
random  thereby  minimizing  tonal  effects. 

MULTI-BIT 
FIRST-ORDER  SIGMA-DELTA  ADC 


The  output  of  the  first  stage  is  summed 
with  a  single  digital  differentiation  of  the 
second  stage  output  and  a  double  differentia- 
tion of  the  third  stage  output  to  yield  the 
final  output.  The  result  is  that  the  quantiza- 
tion noise  Ql  is  suppressed  by  the  second 
stage,  and  the  quantization  noise  Q2  is 
suppressed  by  the  third  stage  yielding  the 
same  suppression  as  a  third-order  loop. 
Since  this  result  is  obtained  using  three  first- 
order  loops,  stable  operation  is  assured.  A 
comparison  of  the  MASH  architecture  with 
the  higher-order  single-loop  architecture  is 
given  in  Figure  6.39. 
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Figure  6.40 

The  real  disadvantage  of  this  technique  is 
that  the  linearity  depends  on  the  DAC  linear- 
ity, and  thin  film  laser  trimming  is  required 
to  approach  16-bit  performance  levels.  This 
makes  the  multi-bit  architecture  extremely 
impractical  to  implement  on  mixed-signal 
ICs.  A  comparison  of  the  multi-bit  versus 
single-bit  sigma-delta  converter  is  given  in 


rigure  o.n. 
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MULTI-BIT 
VERSUS  SINGLE-BIT 
SIGMA  DELTA  CONVERTERS 
Multi-Bit: 

■  Higher  Dynamic  Range  for  Given 
Oversampling  Ratio  and  Loop  Filter  Order 

■  Higher  Order  Systems  Easier  to  Stabilize 

■  Fewer  Tonal  Effects  due  to  Idling  Patterns 

■  Linearity  Depends  on  DAC 

■  Thin  Film  Laser  Trimming  Required 
Single-Bit: 

■  Perfect  Linearity,  no  Strict  Matching 
Requirements 

■  No  Laser  Trimming  Required 

■  Perfect  Topology  for  Mixed-Signal  VLSI 

■  Non-Linear  Techniques  Required  to 
Stabilize  Higher  Order  Loops  (AD1879) 


Figure  6.41 

Sigma-Delta  Summary 

Although  the  concepts  used  in  sigma-delta 
converters  are  not  new  by  any  means,  their 
recent  proliferation  has  been  primarily 
driven  by  the  need  for  converters  which  are 
compatible  with  mixed-signal  VLSI  chips. 
The  sigma-delta  architecture  is  ideal  for 
converters  for  measurement,  voiceband,  and 
audio  applications.  Further  exploration  of 
various  sigma-delta  circuit  topologies  com- 
bined with  the  development  of  new  processes 
is  sure  to  push  the  maximum  dynamic  range 
and  sampling  rates  even  higher. 


■ 


It  is  clear  that  the  sigma-delta  converter 
is  not  the  answer  to  all  data  acquisition  re- 
quirements at  the  present  time.  Upper 
sampling  frequency  is  limited,  thereby  ex- 
cluding video  applications,  multiplexing 
inputs  is  difficult  due  to  the  settling  time  of 
the  internal  digital  filter,  and  out-of-range 
signals  may  cause  saturation  of  the  internal 
modulators. 

On  the  other  hand,  the  inherently  good 
linearity  performance  without  the  need  for 
laser  trimming,  the  relaxation  of  antialiasing 
and  an ti -imaging  filter  requirements  due  to 
oversampling,  and  the  basic  sampling  nature 
of  the  architecture  without  the  need  for  a 
SHA  will  keep  sigma-delta  development 
moving  at  a  rapid  pace  as  mixed-signal  ICs 
proliferate. 

SIGMA-DELTA  SUMMARY 

■  Inherently  Excellent  Linearity 

■  Ideal  for  Mixed-Signal  IC  Processes, 
no  Trimming 

No  SHA  Required 

Upper  Sampling  Rate  Currently 
Limits  Applications  to  Measurement, 
Voiceband,  and  Audio 

■  Out-of-Range  Signals  May  Cause 
Modulator  Saturation 

■  Analog  Multiplexing  Applications 
Limited  by  Internal  Filter:  Use  one 
Sigma-Delta  ADC  per  Channel! 

Figure  6.42 
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Taking  the  Uncertainty  Out  of  Thermocouple  Temperature  Measurement 

(With  the  AD594/AD595) 

by  Bob  LeFort  and  Bob  Ries 


Temperature  is  the  most  frequently  measured  physical 
parameter.  However,  the  techniques  of  temperature 
measurement  are  grossly  misunderstood,  often  resulting 
in  serious  inaccuracies  or  meaningless  data.  This  applica- 
tion note  is  intended  to  clarify  some  of  these  common 
misunderstandings  as  well  as  present  some  interesting 
and  useful  circuit  solutions. 

TEMPERATURE  TRANSDUCER  TECHNOLOGIES 

The  most  commonly-used  electronic  temperature  meas- 
urement devices  currently  available  include  the  ther- 
mocouple, the  resistance  temperature  detector  (RTD),  the 
thermistor,  and  the  integrated  circuit  temperature  trans- 
ducer. All  have  associated  application  benefits  and  limita- 
tions which  are  delineated  in  Table  I. 


THERMOCOUPLE  RTD  THERMISTOR        IC  SENSOR 


TEMPERATURE  TEMPERATURE  TEMPERATURE  TEMPERATURE 


LINEARITY 

RUGGEDNESS 

COST 

STABILITY 

ACCURACY 

RESPONSE  TIME 

NOISE  IMMUNITY 

POWER  DISP. 

MAX  TEMP 
RANGE'  CCI 

-  270  TO 
+  2980 

-1MTO 
+  630 

-  80  TO 
+  150 

-55  TO 
+  150 

1  TEMPERATURE  RANGE  INDICATED  IS  NOT  NECESSARILY 
FOR  A  SINGLE  VERSION  OF  THE  TRANSDUCER  TYPE. 

Tablet.  Sensor  Comparison 

THERMOCOUPLE  CHARACTERISTICS 

The  thermocouple  is  the  most  widely  used  temperature 
sensor  for  instrumentation  purposes.  Because  of  this,  the 
National  Bureau  of  Standards  (NBS)  has  extensively 
characterized  various  metal  combinations,  i.e.,  type  J 
(Iron  -  Constantan),  type  K  (Chromel  -  Alumel),  type  E 
(Chromel  -  Constantan),  and  type  T  (Copper  -  Constan- 
tan). Thermocouple  qualities  include  inherent  accuracy, 
wide  temperature  range,  fast  thermal  response,  rugged- 


ness,  low  cost,  repeatability,  and  versatility  of  application. 
In  addition  to  being  widely  used,  the  thermocouple  is  also 
the  most  misunderstood  temperature  sensor.  Terms  such 
as  cold  junction  compensation,  Seebeck  coefficient,  and 
isothermal  connections  or  blocks  have  caused  confusion 
and  anxiety  for  many  users.  This  application  note  ex- 
plains those  terms  and  provides  information  that  allows 
the  reader  to  measure  temperature  accurately  and  easily. 

THETHERMOCOUPLE  LOOP 

Two  wires  of  dissimilar  metal,  when  joined  together  at 
both  ends,  constitute  the  basic  thermocouple  loop  (see 
Figure  1a).  This  loop  generates  a  voltage  proportional  to 
the  difference  in  temperature  between  the  two  junctions. 
Since  the  thermocouple  is  basically  a  differential  temper- 
ature measuring  device,  measuring  a  single  temperature 
requires  that  the  temperature  of  one  of  the  junctions 
(a  reference  junction)  be  known.  Users  of  thermo- 
couples have  relied  on  a  variety  of  techniques  to  deter- 
mine and  compensate  for  the  reference  or  "cold"  junction 
temperature. 


Figure  la.  Thermocouple  Loop 
ICE  POINT  REFERENCING 

The  voltage  output  of  all  thermocouples  (as  given  in  NBS 
tables)  is  referenced  to  0°C.  This  means  that  the  voltage 
across  the  thermocouple  corresponds  to  the  temperature 
of  the  measuring  junction  only  if  the  reference  junction  is 
held  at  0°C.  This  can  be  done  with  an  ice  point  cell  or  an 
"ice  bath"  as  shown  in  Figure  1b.  Unfortunately  these 
methods  are  awkward,  expensive,  and  therefore  only 
feasible  in  a  laboratory  setting.  In  a  production  environ- 
ment it  is  impractical  to  maintain  a  reference  junction  at 
0°C. 
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Figure  lb.  Ice  Point  Reference 
LAW  OF  INTERMEDIATE  METALS 

In  practice,  to  eliminate  the  need  for  an  explicit  reference 
junction  (as  in  Figure  la)  a  direct  connection  equivalent  to 
the  basic  thermocouple  loop  is  made  (see  Figure  1c).  The 
Law  of  Intermediate  Metals  states  that  a  third  metal  (in 
most  cases  Copper)  connected  to  the  two  dissimilar  met- 
als of  a  thermocouple  will  not  have  any  effect  on  the  out- 
put voltage,  as  long  as  the  connections  are  at  the  same 
temperature. 
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Figure  1c.  "Indirect"  Reference  Junction 

PRACTICAL  THERMOCOUPLE  MEASUREMENT 

In  a  production  environment  an  ice  point  reference  can  be 
eliminated  by  compensating  for  the  voltage  developed  at 
the  reference  junction.  This  is  done  with  a  circuit  which 
adds  a  voltage  into  the  thermocouple  loop,  equal  but  op- 
posite to  that  of  the  reference  junction  (see  Figure  Id). 


Figure  2.  AD594/AD595  Block  Diagram 


adds  the  appropriate  voltage  into  the  thermocouple  loop 
at  the  internal  summing  node.  This  net  voltage  is  then 
amplified  to  a  nominal  output  of  10mV/°C.  The  AD594  is 
factory  calibrated  for  type  J  thermocouples,  while  the 
AD595  is  set  for  type  K. 

SEEBECK  COEFFICIENT 

Seebeck  coefficient  of  a  thermocouple  is  defined  as  the 
rate  of  change  of  thermal  voltage  with  respect  to  tempera- 
ture at  a  given  temperature  and  is  usually  expressed  in 
H.V/°C.  Thermocouple  nonlinearity  is  represented  by  the 
change  in  this  coefficient  over  temperature.  A  graph  of  the 
Seebeck  coefficient  for  various  thermocouples  is  given  in 
Figure  3. 


■ 


Figure  id.  Cold  Junction  Compensation 

A  device  which  accomplishes  this  and  more  is  the  AD594/ 
AD595.  The  block  diagram  and  basic  connections  are 
shown  in  Figure  2.  The  internal  ice  point  compensation 
block  monitors  the  reference  junction  temperature  and 
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Figure  3.  Seebeck  Coefficient  vs.  Temperature 
TYPES  OF  THERMOCOUPLES 

The  two  characteristics  generally  used  to  differentiate 
thermocouple  types  are  sensitivity  and  operating  temper- 
ature range.  The  graph  in  Figure  4  portrays  these  charac- 
teristics for  some  popular  combinations  of  metals. 

While  factory-calibrated  to  condition  a  J  type  ther- 
mocouple, the  AD594  can  condition  an  E  type  with  just  a 
simple  external  adjustment  as  shown  in  the  AD594/AD595 
data  sheet.  The  AD595,  calibrated  for  a  K  type  ther- 
mocouple, may  also  be  directly  connected  to  a  type  Tther- 
mocouple  with  less  than  0.2°C  additional  error. 


Figure  4.  Thermocouple  Output  vs.  Temperature 


2i~4    SIGNAL  CONDITIONING  PRODUCTS 


OPTIMIZING  PERFORMANCE  WITH  THE  AD594/AD595 

Achieving  the  full  rated  accuracy  from  the  AD594  or 
AD595  requires  adherence  to  the  following  design 
guidelines: 

1.  Cold  Junction  Errors 

The  AD594/AD595  has  on-chip  cold  junction  compen- 
sation. For  this  function  to  work  correctly  the  device 
must  be  held  at  the  same  temperature  as  the  ther- 
mocouple cold  junction.  Keep  other  components  or 
heat  sources  from  direct  contact  with  the  AD594/ 
AD595  as  their  heat  dissipation  could  cause  cold  junc- 
tion compensation-related  errors.  (The  AD594/AD595 
draws  only  160m.A  quiescent  supply  current;  this 
minimizes  self-heating  related  errors.) 

2.  Circuit  Board  Layout 
The  printed  circuit  board  connection  layout  (with  the 
optional  calibration  resistors)  illustrated  in  Figure  5 
provides  for  thermal  equilibrium  between  the  cold 
junction  and  the  AD594/AD595.  Here  the  device  and 
circuit  board  are  thermally  contacted  in  the  copper 
printed  circuit  board  tracks  under  pins  1  and  14.  The 
reference  junction  is  now  composed  of  a  copper-con- 
stantan  (or  copper-alumel)  connection  and  copper- 
iron  (or  copper-chromel)  connection,  both  of  which  are 
held  at  the  same  temperature  as  the  AD594/AD595. 


m 


Figure  5.  PCB  Connections 

3.  Soldering 

To  ensure  secure  bonding  and  to  minimize  I  x  R  drops, 
clean  the  thermocouple  wire  to  remove  oxidation  prior 
to  soldering.  Noncorrosive  rosin  flux  is  effective  with 
iron,  constantan,  chromel,  and  alumel  and  the  follow- 
ing solders:  95%  tin -5%  antimony,  95%  tin -5%  silver, 
or  90%  tin  - 1 0%  lead. 

4.  Grounding  Considerations 

The  AD594/AD595  input  stage  has  transistors  which 
require  bias  currents  to  flow  from  the  thermocouple  in- 
puts to  ground.  If  this  path  is  not  provided  these  cur- 
rents will  drive  the  input  stage  into  cutoff,  causing  the 
output  to  give  a  false  reading.  A  direct  connection  to 
ground  should  be  used  to  provide  the  return  path. 


5.  Minimizing  Noise 

Compensation  capacitors  between  pins  9,  10  and  10, 
11  will  minimize  the  amplification  of  high  frequency 
noise  picked  up  by  the  thermocouple.  The  values 
shown  in  Figure  6  will  provide  a  zero  at  60Hz,  but  will 
increase  the  circuit's  response  time. 

To  avoid  IxR  drops  in  the  ground  lines,  all  ground 
points  should  be  directly  connected  to  a  central  point. 
The  10011  resistor  combined  with  the  O.IjjuF  capacitor 
will  filter  ripple  and  transient  spikes  on  the  supply 
lines. 


+v 


Figure  6.  Reducing  Errors  through  Filtering,  Compensat- 
ing and  Grounding 

EXTENDED  AMBIENT  TEMPERATURE 
ERROR  CALCULATIONS 

The  ambient  operating  temperature  range  of  the  AD594/ 
AD595  is  specified  from  0  to  50°C  to  minimize  the  errors 
associated  with  thermocouple  nonlinearities  (the  varying 
Seebeck  coefficient),  and  to  optimize  accuracy  for  a  25°C 
ambient.  The  AD594/AD595  ice  point  compensation  volt- 
age is  linear  and  is  matched  to  the  best  fit  straight  line  of 
the  thermocouple's  output  from  0  to  50°C.  Outside  of  this 
range  deviation  between  the  thermocouple  and  the  com- 
pensation voltage  becomes  more  pronounced.  This 
means  that  while  the  AD594/AD595  functions  correctly 
outside  of  the  rated  temperature  range,  it  may  not  remain 
within  its  specified  temperature  stability  error  limits. 
Table  II  provides  a  list  of  the  calculated  maximum  errors 
associated  with  the  commercial,  industrial,  and  extended 
ambient  operating  temperature  ranges.  The  ambient  tem- 
perature refers  to  the  device  and  reference  junction.  The 
measuring  junction  can  be  at  any  temperature  within  the 
thermocouple  rated  limits. 
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NOTE: 

Temp.  Rej.  Error  has  two  components,  (a)  Difference  between  actual  reference  junction  and  ice  point  compensation  voltage  times  the  gain 
(b)  Offset  and  gain  TCs  extrapolated  from  0  to  50°C  limits.  Total  error  is  temp.  rej.  plus  initial  calibration  error. 

Table  U.  Maximum  Calculated  Errors  at  Various  Ambient  Temperatures 


CIRCUIT  IDEAS 

OPTIONAL  TRIMMING  SCHEME 

The  circuit  in  Figure  7  nulls  the  residual  calibration  error 
of  the  AD594/AD595.  The  15MH  resistor  insures  that  the 
offset  is  negative  by  injecting  a  current  into  -T  (pin  5), 
corresponding  to  approximately  a  -3°C  offset.  The  trim- 
ming potentiometer  (Rcal)  allows  the  "forced"  negative 
offset  to  be  trimmed  to  zero  by  injecting  a  balancing  cur- 
rent into  +T  (pin  3).  This  circuit  makes  it  possible  to  null 
any  calibration  error  with  a  single  unidirectional  trim. 
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Figure  7.  Calibration  Error  Adjustment 
FAHRENHEIT  OUTPUT 

Figure  8  illustrates  a  circuit  which  allows  the  user  to  di- 
rectly read  a  voltage  output  of  10mV/°F.  The  temperature 
scale  conversion  formula  of; 
Degrees  Fahrenheit  =  (9/5)  (Degrees  Celsius)  +  32 


is  entirely  implemented  in  hardware.  A  current  of  200nA/ 
°C  injected  into  pin  3  creates  the  32°F  offset  while  the  resis- 
tor network  on  the  output  increases  the  gain  by  9/5. 

To  calibrate  the  output: 

1.  Remove  the  thermocouple  and  input  an  ac  signal  to 
pins  1  and  14  of  10mV  p-p,  100Hz.  (By  using  an  ac  exci- 
tation the  gain  and  offset  adjustments  are  indepen- 
dent.) 

2.  Adjust  RGA|N  for  a  p-p  output  of  3.481V  (AD594)  or 
4.451V  (AD595). 

3.  Reconnect  a  thermocouple  which  is  in  an  ice  bath  or  ice 
point  cell  at  0°C  to  pins  1  and  14. 

4.  Adjust  ^offset  until  the  output  reads  320m V. 

The  ideal  transfer  function  for  a  Fahrenheit  output  AD594/ 
AD595  when  trimmed  with  thermocouple  at  0°C  is; 
AD594  output  =  (Type  J  voltage  +  91 9u,V)  x  348. 1 2 
AD595  output  =  (Type  K  voltage  +  7 1 9u.V)  x  445. 1 4. 


Figure  8.  °C  to  °F  Conversion 
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DIRECT  MEAN  TEMPERATURE 

Average  temperature  can  be  measured  directly  with  a 
single  AD594/AD595  configured  as  shown  in  Figure  9.  The 
output  of  this  circuit  equals  (T1+T2  +  T3+  . .  .TN)/N  (in  °C) 
times  a  nominal  10mV/°C.  With  any  number  of  ther- 
mocouple-resistor pairs  in  parallel  the  AD594/AD595  still 
provides  for  the  correct  cold  junction  compensation.  The 


300ft  series  resistors  minimize  the  currents  circulating 
among  the  thermocouple  branches.  They  will  have  posi- 
tive/negative balancing  voltage  drops  for  thermocouples 
at  temperatures  lower/higher  than  the  mean.  This  circuit 
also  works  well  for  generating  a  precise  mean  reading  of 
an  object  which  has  significant  thermal  gradients. 


lX  •  •  *X  *X  *a 


liJ  |i|  LJ   LeJ  LjJ —  1 
 T   ] 


Figure  9.  Measuring  Average  Temperature 


TEMPERATURE  MULTIPLEXING 

Multiplexing  thermocouple  signals  minimizes  the 
number  of  AD594/AD595s  required  in  a  large  temperature 
measuring  data  acquisition  system  (see  Figure  10).  This 
technique  also  serves  another  important  function:  it 
transforms  the  multiple  reference  junction  connections 
from  a  terminal  block  assembly  to  a  single  junction  at  the 
AD594/AD595. 

By  placing  a  thermocouple  beneath  the  AD594/AD595  (in 
thermal  contact)  and  returning  it  to  an  isothermal  connec- 
tor, the  reference  junction  voltages  generated  at  the 
isothermal  block  are  effectively  cancelled.  For  a  given 
multiplexer  ON  position,  the  Constantan  (Alumel)  -  Cop- 
per junction  in  series  with  the  Copper  -  Constantan 


(Alumel)  junction  contribute  equal  but  opposite  voltages. 
That  is,  since  the  block  is  isothermal,  V,  =V2.  Similar  logic 
can  be  applied  to  the  Iron  (Chromel)-  Copper  junctions. 
Because  of  these  cancellations,  the  built-in  cold  junction 
compensator  in  the  AD594/AD595  now  compensates  for 
the  thermocouple  directly  underneath  the  IC.  Thus,  the 
terminal  block  can  be  at  any  remote  location.  The  AD594/ 
AD595  and  the  attached  thermocouple,  however,  should 
remain  in  the  Oto  50°C  range. 

Using  an  AD7502,  four  temperatures  can  be  monitored 
with  a  single  AD594/AD595  (an  AD7507  allows  8  tempera- 
tures). Approximately  half  of  the  thermocouple  wire  can 
be  eliminated  by  using  a  single-ended  multiplexer,  how- 
ever, the  system  will  be  more  susceptible  to  common- 
mode  noise  pick-up. 


Figure  10.  Multiplexing  Thermocouples 
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Figure  1 1.  Zero  Suppression  and  Sensitivity  Change 

OFFSETTING  AND  CHANGING  THE  GAIN 

The  circuit  shown  in  Figure  11  serves  two  functions:  1)  it 
allows  the  user  to  add  an  offset  to  the  AD594/AD595  which 
shifts  the  output  to  read  OV  at  any  temperature  (i.e.,  sup- 
press zero),  and  2)  it  changes  the  gain  of  the  AD594/AD595 
enabling  different  output  sensitivity  (output  voltage 
change  per  degree  change  of  thermocouple). 

Shifting  the  output  to  read  OV  at  a  temperature  other  than 
0°C  is  accomplished  by  applying  an  offset  voltage  to  the 
feedback  resistor  (pin  8)  and  thus  to  the  negative  input  of 
the  right-hand  amplifier  connected  to  the  summing  node. 


The  offset  voltage  (obtained  from  the  output  column  of 
Table  I  in  the  AD594/AD595  data  sheet)  transposes  the 
zero  voltage  output  to  the  temperature  equivalent  of  the 
applied  voltage.  The  sensitivity  can  be  increased/de- 
creased by  replacing  the  internal  feedback  resistors  with 
a  larger/smaller  external  resistance.  One  method  to  calcu- 
late the  value  of  the  new  feed  back  resistance  is: 
X.  Determine  the  desired  output  sensitivity  (in  mV/°C). 

2.  Decide  on  a  temperature  range  T1  toT2. 

3.  Calculate  the  average  thermocouple  sensitivity  over 
that  temperature  range;  (Vn  -  V12WT1  -T2). 

4.  Divide  the  desired  sensitivity  by  the  average  ther- 
mocouple sensitivity:  result  of  (1)+  calculated  value  in 
(3).  This  value  is  the  new  gain  (GNew)  of  the  AD594/ 
AD595.  If  the  calculations  are  done  correctly  this  result 
will  bedimensionless. 

5.  Measure  the  actual  feedback  resistance  (pin  8to  pin  5), 
Rfdbk- 
r|nternal  = 


6. 


RFDBK 
193.4-1 


Result  of  (5) 
193.4-1 


NOTE :  Use  247.3  for  an  AD595  instead  of  193.4. 


7.  The  new  feedback  resistance,  Rejcternal  = 
(GNEW- 1  HRinternal)  =  (result  from  (4) - 1  Xresult  from 
(6)) 

This  technique  makes  it  possible  to  measure  a  tempera- 
ture range  of  300  to  330°C  with  a  5V  supply  and  an  output 
of  100mV/°C  starting  with  a  OV  output  at  300°C.  A  4.1V 
zener  diode  and  a  resistor  divider  can  be  used  to  suppress 


CURRENT-MODE  TRANSMISSION 

When  sending  a  signal  through  a  noisy  environment,  it  is 
preferred  to  transmit  a  current  rather  than  a  voltage.  Fig- 
ure 12  shows  a  method  of  transmitting  the  AD594/AD595 
output  signal  as  a  current  and  then  converting  it  back  to 
a  voltage  at  the  control  point. 

In  this  circuit  the  feedback  voltage  at  pin  9  forces  the  volt- 
age across  Rsense  to  equal  the  thermocouple  voltage. 
Correctly  choosing  Rsense.  (5.1  in  for  AD594,  4.02ft  for 
AD595),  generates  a  10mA/°C  current.  Because  the  voltage 
across  Rsense  equals  the  thermocouple  voltage,  the  refer- 


ence junction  voltage  appears  across  the  . 
inputs.  The  amplifier  +  A  drives  the  base  of  the  2N2222 
transistor,  converting  the  output  voltage  into  a  current. 

Because  the  160(iA  quiescent  current  flows  through 
Rsense,  it  does  not  contribute  any  error.  However,  this 
means  the  minimum  temperature  that  can  be  measured 
is  16°C.  The  accuracy  of  the  circuit  is  determined  by  the 
initial  AD594/AD595  calibration  error  and  the  match  be- 
tween Rsense  and  the  1kft  current  to  voltage  conversion 
resistor  at  the  measu  rement  point. 


Figure  12.  Remote  Temperature  Measurement 
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■ 

Versatile  Transmitter  Chip  Links  Strain  Gauges 
and  RTDs  to  Current  Loop 

by  Paul  Brokaw 


Replacing  a  board  full  of  parts,  a  transmitter  chip 
can  be  configured  to  match  the  4-to-20-mA  loop 
to  a  range  of  different  process-control  requirements. 








The  digital  transmission  of  data  may  seem 
to  be  taking  over  from  analog  transmis- 
sion. But  in  the  process-control  arena,  the 
two-wire  4-to-20  mA  current  loop  remains  firm- 
ly entrenched  as  the  traditional  connection  be- 
tween transducer  and  control  room.  Moreover, 
that  holds  true  even  though  converting  the 
signal  of  a  resistance  temperature  detector  or 
resistive  bridge  into  4  to  20  mA  demands  about 
the  same  number  of  components  as  converting  it 
into  an  8-  or  10-bit  serial  digital  word. 

In  both  cases,  the  same  types  of  operations 
must  be  performed.  The  transducer  must  be  ex- 
cited, the  signals  conditioned,  and  the  small 
floating  voltages  amplified.  In  addition,  analog 
input  voltages  must  be  converted  into  bits  or 
current,  in  the  process  creating  an  output  signal 
that  can  drive  a  two-wire  line  several 
miles  long.  Also,  that  line  must  carry 
the  circuit  power. 

The  arrival  of  the  AD693  process- 
control  transmitter  goes  a  long  way 
toward  guaranteeing  the  staying 
power  of  the  4-to-20-mA  current  loop. 
The  chip  tackles  all  the  functions  re- 


quired to  handle  standard  resistive  transducers 
and  to  operate  from  and  determine  the  current 
in  a  typical  process-control  loop.  In  addition,  pin 
strapping  enables  the  chip  to  work  with  other 
current  ranges,  and  a  few  extra  passive  parts 
permit  its  use  with  a  broad  selection  of  sensors. 

As  important,  it  can  replace  the  pc  boards, 
modules,  and  hybrids  now  taking  care  of  those 
functions.  Consider  that  a  pc  board  is  a  relative- 
ly large  unit  whose  many  ICs,  transistors,  and 
passive  and  adjustable  components  dictate  care- 
ful design  and  expensive  assembly,  calibration, 
and  testing  measures.  Modules  eliminate  those 
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concerns  (apart  from  calibration)  without  nec- 
essarily reducing  time  and  cost.  Hybrids  are 
small,  but  present  problems  of  performance, 
functional  completeness,  and  cost. 

In  sharp  contrast,  the  20-pin  AD693  trans- 
mitter IC  is  an  accurate,  versatile,  and  tiny  part 
that  alleviates  worries  about  functions  or  cost. 
Its  precision  reference  sets  the  4-mA  zero  point 
and  also  can  excite  a  sensor.  In  fact,  the  chip's 
bag  of  signal-conditioning  tricks  covers  virtual- 
ly all  common  resistive  sensors. 

Loop-the-loop 

The  transmitter's  operation  is  best  demon- 
strated when  its  inputs  are  connected  to  a  resis- 
tive bridge  transducer  and  its  output  and  power 
source  to  a  4-to-20-mA  current  loop  (Fig.  1). 

The  loop  is  powered  by  a  voltage  source  in 
series  with  a  current-sensing,  or  current- 
monitoring,  resistor,  Rsense,  located  at  the  re- 
ceiving end  in  the  control  room.  The  voltage 
across  Rsensf  is  the  high-level  signal  to  the  con- 
troller. The  AD693  connects  to  the  two-wire  loop 
at  its  remote  end  and  couples  it  to  the  measure- 
ment represented  by  the  output  of  the  bridge 
transducer,  or  the  sensor. 

The  reference  on  chip  excites  the  bridge,  the 


output  of  which  connects  directly  to  the  chip's 
signal  amplifier.  That  amplifier  is  an  in- 
strumentation-type circuit  with  a  differential 
input  and  a  single-ended  output,  relative  not  to 
ground  but  to  the  6.2-V  reference  line.  The  out- 
put of  the  signal  amplifier  drives  a  voltage-to- 
current  converter,  which  measures  the  total 
loop  currrent  with  the  voltage  drop  across  the 
loop's  sampling  resistor,  RL.  In  turn  it  sets  the 
loop's  current,  so  that  the  voltage  across  RL 
equals  the  input  to  the  converter. 

When  a  measurement  unbalances  the  bridge, 
putting  a  small  voltage  at  the  input  to  the  signal 
amplifier,  the  amplifier's  output  drives  the 
converter's  input  positive,  increasing  the  loop 
current.  The  gains  of  the  signal  amplifier  and 
the  resistance  of  the  output  resistor  are  laser- 
trimmed;  in  combination,  they  provide  a  pre- 
calibrated  sensitivity  relating  the  loop  current 
directly  to  the  bridge's  output  voltage.  In  addi- 
tion, a  current-limiting  circuit  monitors  the 
current,  so  that  if  the  input  to  the  converter  is 
overdriven,  loop  current  is  limited  to  25  mA, 
protecting  both  loop  and  transmitter  chip. 

The  zero  input  pin  of  the  voltage-to-current 
converter  is  referred  to  a  voltage  that,  because 
of  the  voltage  drop  across  RA,  is  slightly  nega- 


External  connections  « 
Internal  connections 


Loop 
excitation 
voltage 
{loop  power) 


Loop 
monitor 


Common 


1.  A  one-chip  transmitter,  the  AD693  converts  the  output  voltage  from  resistive  bridge  sensors  into  a  4-to- 
20-mA  process-control  signal.  Moreover,  the  chip  excites  the  sensor,  runs  off  loop  power,  and  for  many 
standard  sensors,  requires  no  span  or  zero  trimming  components. 
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tive  with  respect  to  the  6.2- V  reference.  So  when 
the  input  signal  from  the  bridge  is  zero,  the  con- 
verter's input  is  not  zero  and  its  output  is  4  mA. 

A  voltage  divider  (RA  through  RE)  from  6.2  V 
to  common,  or  ground,  is  laser-trimmed  so  that 
connecting  the  converter's  zero  input  to  the 
divider's  4-mA  tap  results  in  4  mA  of  loop 
current.  Since  that  voltage  is  produced  by  a  re- 
sistive divider,  it  can  be  easily  adjusted  to  ac- 
commodate zero  offsets  in  the  bridge  sensor. 
Moreover,  the  adjustment  does  not  affect  the 
signal  amplifier's  gain  and  thus  is  independent 
of  the  zero  to  full-scale  range,  or  span. 

An  alternative  connection  for  the  converter's 
zero  pin  sets  the  loop  current  to  12  mA  when  the 
input  is  zero,  meaning  that  input  signals  of  both 
polarities  can  be  handled.  The  zero  pin  also  can 
be  returned  to  the  6.2-V  reference  line,  thereby 
reducing  loop  current  to  zero.  That  connection 
permits  the  chip  to  operate  as  a  0-to-20-m  A  con- 
verter, so  long  as  the  voltage  reference  and  am- 
plifiers are  not  powered  from  the  loop.  For  most 
applications,  the  transmitter  chip  runs  off  loop 
power  through  the  connection  between  the 
Boost  pin  and  the  Vin  pin. 

Connections  between  pins  P,,  P2,  and  the  6.2-V 
reference  line  provide  the  signal  amplifier's 


negative  feedback  and  take  care  of  span  adjust- 
ments. For  instance,  when  the  signal  amplifier's 
gain  is  2  (Fig.  1  again),  the  input  span— that  is, 
the  signal  that  changes  the  loop  current  from  4 
to  20  mA— is  30  mV.  Connecting  P,  to  P2  changes 
the  gain  to  1  and  the  span  to  60  mV;  the  span  can 
be  adjusted  to  a  few  millivolts  by  placing  a  re- 
sistor between  P,  and  either  P2  or  6.2  V. 

The  way  in  which  the  input  signal  amplifier  is 
designed  produces  a  high  differential  input 
impedance  and  a  wide  common-mode  range.  The 
amplifier  accommodates  signals  between  0  V 
and  the  6.2-V  reference  and  even,  in  some  appli- 
cations, signals  greater  than  6.2  V.  The  common- 
mode  input  range  extends  from  — 100  mV  to 
within  4  V  of  the  potential  at  Vin.  The  trans- 
mitter's ability  to  handle  small  negative  volt- 
ages is  valuable  when  ground-referenced 
signals  have  a  small  negative  component.  The 
positive  range  is  useful  when  measurements  are 
not  powered  directly  by  the  reference. 

The  auxiliary  amplifier  solves  a  variety  of 
excitation  and  measurement  problems.  For  ex- 
ample, with  the  addition  of  two  resistors,  it 
operates  at  a  noninverting  gain  of  10/6.2,  which 
amplifies  the  reference,  providing  a  low-im- 
pedance, 10-V  source  that  can  supply  up  to  3  mA 
to  sensors. 


Span  adjustment 


External  connections 
Internal  connections 


Loop 
excitation 
voltage 


Loop 
monitor 


•TO-5  or  larger,  e.g.,  2N1893.  2N2192  or  2N2218A 


2.  The  transmitter  chip  adapts  readily  to  the  addition  of  zero  and  span  adjustment  poten- 
tiometers when  used  with  nonstandard  sensors.  Incidentally,  when  an  external  transistor,  Q2. 
handles  the  loop  current,  the  chip  can  operate  at  50  mA  full  scale. 
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When  the  auxiliary  amplifier  is  used  as  a  volt- 
age amplifier,  the  output  stage  must  be  powered 
by  connecting  the  Ix  terminal  to  a  positive  volt- 
age, such  as  the  6.2-V  line  or  Vin.  In  this  case,  the 
stage  takes  current  from  the  boost  terminal  (see 
Fig.  1  again). 

This  amplifier  can  be  used  in  most  nonin- 
verting  configurations  and  has  the  same 
common-mode  range  as  the  signal  amplifier. 
The  voltage  divider,  RA  through  RK,  has  75-  and 
150-mV  output  taps  that,  when  used  with  the 
auxiliary  amplifier  and  the  internal  100-Q  re- 
sistor, can  form  a  signal-conditioning  circuit 
with  six  precalibrated  ranges  for  RTDs. 

Exciting  currents 

The  auxiliary  amplifier  also  has  a  feature  that 
proves  useful  for  the  current-mode,  or  constant- 
current,  excitation  of  sensors.  Since  the  Ix  ter- 
minal supplies  all  of  the  auxiliary  amplifier's 
output  load  current,  it  can  be  used  as  a  high- 
impedance  current  source.  When  configured  as 
a  voltage  follower,  driving  the  resistor  and 
connected  to  either  the  75-  or  150-mV  pin,  it 
makes  a  750-  or  1500-/iA  constant  current  avail- 
able for  sensor  excitation. 

The  chip's  I,lut  pin  supplies  the  voltage-to- 
current  converter  with  the  excess  current  — 
beyond  the  operating  and  excitation  currents- 
necessary  to  create  the  proper  signal  current  for 
the  loop.  In  many  applications  Im„  is  connected 
directly  to  common. 

The  pin  also  can  be  used  to  overcome  the  one 
disadvantage  of  a  monolithic  transmitter— its 
limited  power  dissipation.  Though  the  AD693's 
power  devices  dissipate  up  to  7.5  W,  most  of  that 
power  can  be  offloaded  to  a  discrete  transistor. 
That  setup  minimizes  errors  due  to  self-heating 
and  extends  the  temperature  operating  range. 

If  a  resistor  of  about  5  Q  is  placed  in  parallel 
with  the  loop's  sampling  resistor,  RL,  the  chip 
can  be  tweaked  to  operate  in  a  10-to-50-mA  cur- 
rent loop.  That  configuration  makes  it  desirable 
to  use  an  external  transistor,  which  enables  the 
chip  to  work  over  the  full  industrial  tempera- 
ture range  (Fig.  2). 

In  that  circuit,  Iout  drives  the  base  of  a  discrete 
npn  transistor,  Q2,  which  pulls  current  out  of  the 
Boost  pin  and  delivers  it  to  common.  The  exter- 
nal transistor  is  in  effect  Darlington-connected 


to  the  normal  pass  device,  Q, .  As  a  result  Iout  sup- 
plies only  the  base  drive  for  Qz,  which  handles 
most  of  the  circuit's  dissipation.  The  external 
transistor  works  with  4  to  20  and  0  to  20  mA  and 
with  any  signal -conditioning  circuits. 

Essential  to  the  AD693  and  any  other  signal- 
conditioning  circuit  is  the  ability  to  adjust  zero 
and  the  full-scale  range.  User-selected  options 
afford  three  choices  of  loop  current  for  an  input 
signal  of  zero:  30  and  60  mV  at  4  to  20  mA;  ±  15 
and  ±  30  mV  at  4  to  20  mA;  and  37.5  and  75  mV  at 
0  to  20  mA.  (In  the  last  of  those,  the  zero  pin  is 
tied  to  6.2  V.)  Although  these  values  are  laser- 
trimmed  for  high  accuracy,  they  may  require 
adjustment  to  accommodate  variability  be- 
tween sensors  or  to  add  ranges.  The  circuit  of 
Figure  2  indicates  an  optimum  technique  for  ad- 
justing zero  and  span  for  the  AD693. 

Voltages  of  15  and  45  mV,  negative  with  re- 
spect to  the  6.2-V  line,  set  the  4-mA  and  12-mA 
operating  points  from  a  nominal  source  impe- 
dance of  450  Q.  The  zero  adjustment  circuit  is 
constructed  by  adding  external  resistors  to 
modify  the  internal  voltage  divider  to  drive  the 
zero  pin. 

To  find  the  proper  resistor  values,  the  desired 
range  of  output  current,  IA,  is  selected  and  sub- 
stituted in  a  series  of  equations.  For  instance,  to 
adjust  the  4-mA  tap,  the  equation  to  be  used  is: 

Potentiometer  RZ1  =  (1.6  V/IJ-400Q 

Then  the  series  resistor  would  be  evaluated  as: 

Rz*  =  RZ1  (3.1  V)/  [15  mV  +  (3.75  Q)  L)] 

Similarly,  for  a  divider  connected  to  the  12-mA 
tap,  the  equations  to  be  used  are: 

Rz,  =(4.8V/IA)  -400  U,  and 
1Z2  =  RZ1  (3.1  V)/[  45  mV  +  (3.75  Q)(IA)] 

These  equations  take  into  account  the  ±  10% 
tolerance  of  tap  resistance  and  ensure  a  min- 
imum adjustment  range  of  IA.  For  example, 
selecting  an  IA  of  200  /xA  delivers  a  zero  adjust- 
ment range  of  ±  1  %  over  the  20-m  A  span.  At  the 
4-mA  tap,  then: 

RZ1  =  1.6  V/200  mA-400  fi  =  7.6  kfi,  and 
RZ2  =  7.6  kO  (3.1  V)/  [15  mV  +  (200  fiA)  (3.75  fl)] 
=  1.49  Mfi 

These  resistance  values  can  be  rounded  off  to  a 
convenient  7.5  kfi  and  1.3  Mfl,  providing  an  ad- 


22-6    VOLTAGE-TO-CURRENT  CONVERTERS 


DESIGN  ENTRY 

Industrial  Electronics:  Versatile  transmitter  chip 


justment  range  slightly  in  excess  of  ±  200  nA. 

The  full-scale  range  is  adjusted  by  controlling 
the  feedback  around  the  signal  amplifier, 
achieved  by  paralleling  internal  resistor  Rx  or 
RY  with  an  external  resistor.  (The  internal  re- 
sistors are  laser-trimmed  in  ratio  rather  than  in 
absolute  value,  but  they  are  within  ±  10%  of 
their  nominal  value  of  800  Q.) 

Padding  spans 

To  create  a  span,  Su  of  less  than  30  mV  re- 
quires calculating  the  value  of  resistor  RS1  lo- 
cated between  P!  and  6.2  V  in  parallel  with  Rx, 
according  to  the  equation: 

RS1  =360fi/[(30mV/S1)-l] 

To  set  a  span  S2  between  30  and  60  mV,  a  value 
must  be  calculated  for  resistor  RS2  located  be- 


tween P,  and  P2  in  parallel  with  RY,  according  to 
the  equation: 

RS2  =  360n/(l-60mV/S2)/[(30mV/S2)-l] 

These  are  minimum  values,  and  the  resistors 
can  be  padded  to  obtain  a  particular  gain;  other- 
wise the  circuit  values  in  Figure  2  can  be  used 
with  either  RS]  or  RS2  to  get  a  range  of  span  ad- 
justments. For  example,  for  continuous  span  ad- 
justment between  20  and  40  mV,  the  20-mV  limit 
would  be  used  to  calculate  RS,  and  the  40-mV 
limit  to  calculate  RS2,  yielding  the  same  value, 
720  A.  In  this  case  the  values  happen  to  be  equal, 
but  in  general,  using  the  lower  of  the  two  values 
(Rs  in  Fig.  2)  with  a  1-kfi  potentiometer  pro- 
duces an  adjustment  range  that  encompasses  at 
least  the  desired  span. 
Though  that  method  of  adjustment  works 


3.  A  complete  loop-powered  RTD  measurement  with  six  precalibrated  ranges  can  be  obtained 
with  the  AD693.  Its  auxiliary  amplifier  excites  a  dynamic  bridge  formed  by  the  RTD,  RT  and 
the  application  resistors. 


Temperature  ranges  (°C)  for  a  4-to-20-mA  span  with 
the  AD693  and  an  RTD* 

Input 
span 

P,  and 
Pa 

Zero  pin 
connected  to 
6.2-V  pin 

Zero  pin 
connected  to 
4-mA  pin 

Zero  pin 
connected  to 
12-mA  pin 

Not 
connected 

30  mV 

+  25.9  to  +130.5 

0  to  + 103.9 

-50.8  to  +51.6 

60  mV 

Connected 

+  51.6  to  +266.4 


0  to  +211.3 


- 100.6  to  + 103.9 
 1 

'a  =  0.00385  for  a  100-S!  platinum  RTD 


VOLTAGE-TO-CURRENT  CONVERTERS  22-7 


DESIGN  ENTRY 


Industrial  Electronics:  Versatile  transmitter  chip 


well,  the  span  of  the  AD693  can  be  adj  usted  with 
any  scheme  that  is  compatible  with  the  built-in 
feedback  network,  as  long  as  the  amplifier  is  not 
overloaded.  The  network  can  also  be  used  to  in- 
ject currents,  producing  offsets  or  other  addi- 
tions to  the  signal  applied  to  the  voltage-to- 
current  converter. 

The  excitation  and  signal-conditioning  fea- 
tures of  the  chip  easily  adapt  to  measurements 
made  with  resistance  temperature  detectors,  or 
RTDs.  The  application  voltages  at  the  bottom  of 
the  divider  (between  6.2  V  and  common)  set  up 
precalibrated  temperature  ranges  for  standard 
100-fi  platinum  RTDs. 

The  auxiliary  amplifier,  application  voltages, 
and  100-fi  resistor  form  a  dynamic  bridge  circuit 
(Fig.  3).  The  auxiliary  amplifier  forces  a  con- 
stant 75  mV  across  the  100-ft  resistor.  The  cur- 
rent producing  that  voltage  also  passes  through 
the  RTD,  putting  a  voltage  across  it  too.  The  sum 
of  these  two  voltages,  appearing  at  Vx,  is  applied 
to  the  positive  input  of  the  signal  amplifier, 
which  compares,  or  sums,  it  with  the  150-mV  ap- 
plication voltage  applied  to  the  amplifier's  neg- 
ative input. 

The  resistance  of  the  detector  at  0°C  is  100  il, 
making  the  voltage  across  it  75  mV  and  the 
output  of  the  auxiliary  amplifier  150  mV.  The 


differential  input  to  the  signal  amp  is  thus  0  V 
(150  mV  — 150  mV).  As  the  temperature  rises, 
the  resistance  of  the  sensor  increases  and  the 
differential  input  to  the  signal  amplifier  be- 
comes: 

Vx  -  150  mV  =  (RT-100fi)(75mV)/100fi 

where  RT  is  the  resistance  of  the  sensor  at  any 
given  temperature. 

As  RT  changes  from  100  to  140  Q  (correspond- 
ing to  a  rise  from  0°  to  +104°C),  the  signal  am- 
plifier's input  changes  from  0  to  30  mV,  one  of 
the  precalibrated  spans  of  the  transmitter  chip. 
Similarly,  a  temperature  change  from  0°  to 
+211°C  makes  resistance  rise  from  100  to  180  Q, 
resulting  in  a  60-mV  signal  — the  other  pre- 
calibrated span. 

Other  temperature  ranges  can  be  derived 
from  various  combinations  of  span  and  zero  con- 
nections (see  the  table,  p.  158).  Also,  still  more 
ranges  can  be  created  by  raising  or  lowering  the 
application  voltage— a  change  effected  by  mod- 
ifying the  divider,  which  has  a  nominal  resis- 
tance of  1.5  kQ  at  its  150-mV  tap.  For  example, 
connecting  a  1.5-kfi  resistor  between  the  150-mV 
tap  and  common  doubles  the  resistance  change 
required  to  put  30  or  60  mV  into  the  signal  am- 


4.  Teamed  with  the  AD693's  auxiliary  amplifier,  the  calibration  i 
set  the  circuit's  full-scale  output  span  to  4  to  20  m A. 


(R3)  inside  an  IC  pressure  sen 


22-8    VOLTAGE-TO-CURRENT  CONVERTERS 


DESIGN  ENTRY 


Industrial  Electronics:  Versatile  transmitter 

plifier  and  thus  approximately  doubles  the  tem- 
perature spans. 

Furthermore,  temperature  span  can  be 
halved  by  doubling  the  gain  of  the  signal  ampli- 
fier, thereby  reducing  the  span  to  52°C.  Alterna- 
tively, the  application  voltage  can  be  doubled  by 
placing  a  62-kft  resistor  between  the  6.2-V  line 
and  the  150-mV  pin.  Still  other  application  volt- 
ages can  be  produced  with  a  complete,  external 
divider. 

The  AD693  easily  lends  itself  to  use  with 
monolithic  pressure  sensors.  For  instance,  it 
interfaces  readily  with  the  Model  23  from  IC 
Sensors  Inc.  (Sunnyvale,  Calif.).  That  sensor's 
internal  calibration  resistor  makes  the  units  in- 
terchangeable. When  used  with  the  AD693,  the 
resistor  forms  part  of  a  bias  network  that  nor- 
malizes the  full-scale  output  of  the  sensor  to  the 
60-mV  span  of  the  transmitter  (Fig.  4). 

To  get  maximum  stability  over  a  wide  tem- 
perature range,  this  semiconductor  bridge  sen- 
sor requires  constant  current  excitation.  The 
auxiliary  amplifier  in  the  transmitter  chip  is 
configured  to  deliver  this  current  from  its  Ix  ter- 
minals. All  the  current  developed  by  voltage  Vx 
across  the  chip's  100-ft  resistor  is  delivered 
through  the  Ix  pin  to  the  sensor.  That  voltage  is 
equal  to  the  output  of  the  voltage  divider, 
consisting  of  the  sensor's  calibration  resistor, 


chip 

R3,  and  a  user-supplied  101-ft  resistor,  R2. 

The  circuit  combines  the  preset  input  voltage 
span  and  the  6.2-V  reference  of  the  chip  with  the 
factory-calibrated  pressure  span  of  the  trans- 
ducer. Also  it  yields  a  calibrated  4-to-20-mA 
loop  current  requiring  no  span  adjustments. 
Any  residual  zero  offset  in  the  sensor  is  elimi- 
nated by  setting  the  output  to  4  mA  with  RZi,  the 
zero-adjustment  potentiometer. 

The  circuit  uses  a  Model  23-10  sensor  rated  at 
10  psig;  however,  a  selection  of  interchangeable 
sensors  cover  5  to  250  psig.  The  effective  span  of 
a  given  sensor  is  halved  by  opening  the  jumper 
between  Pi  and  P2. 

If  field  interchangeability  is  not  required,  the 
same  initial  accuracy  is  available  at  lower  cost 
with  Series  22  sensors,  which  lack  the  factory- 
trimmed  resistor.  Instead,  the  user  is  supplied 
with  the  result  of  measurements  of  sensor  out- 
put voltage  at  rated  pressure  and  1.5  mA  of  ex- 
citation. These  sensors  and  similar  devices  from 
other  suppliers  are  used  in  the  same  circuit  by 
substituting  a  resistor  for  calibration  resistor 
R3.  R2  is  rounded  off  to  100  ft  and  the  value  of 
R3  is  calculated  according  to: 

R3  =  [S,  (68ft)/mV]-  100  ft 

where  S,  is  the  full-scale  sensor  output  in  milli- 


control 
room 


■Sensotec  s  Model  41  or  A  l  Design's  Model  ALD-UTC 


External  connections  - 
Internal  connections  • 


5.  The  chip's  signal  amplifier  has  enough  gain  to  derive  a  4-to-20-mA  signal  from  the  output  of  a  foil  strain 
gauge  having  2-mV/V  sensitivity.  The  auxiliary  amplifier  can  be  used  to  provide  1  V  of  bridge  excitation,  so 
that  the  bridge  can  be  powered  by  the  loop. 
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volts  at  an  excitation  of  1.5  mA.  The  calibration 
resistor  normalizes  the  output  so  tr 
pressure  span  produces  exactly  60  ni\ 

Load  cells  measure  displacement  of  an  elastic 
structure  and  the  force  that  causes  it.  Metal-foil 
strain-gauge  bridges,  the  most  common  sensing 
elements,  are  rugged,  accurate,  and  reliable,  but 
they  are  difficult  to  condition  for  4-to-20-mA 
loops.  Also,  though  they  are  more  linear  than 
the  semiconductor  units,  they  are  much  less  sen- 
sitive; in  addition,  their  usually  low  resistance 
limits  the  excitation  voltage  available  from  the 
4-mA  base-line  current  in  the  loop. 

Load  cells  foil  strain  gauges 

The  AD693  transmitter  can  make  the  most  of 
even  that  sensitivity.  The  internal  circuitry  of 
the  chip  leaves  more  than  3  mA  of  excitation 
current,  yielding  an  excitation  voltage  of  about  1 
V  on  a  typical  350-fi  bridge.  The  auxiliary  ampli- 
fier and  reference  supply  the  excitation  (Fig.  5), 
and  the  gain  of  the  signal  amplifier  is  raised  to 
create  a  span  of  just  4  mV,  enough  to  handle  the 
typical  ±  2-mV/V  sensitivity  of  the  cell.  (The 
2-mV/V  figure  means  2  mV  of  output  from  the 
gauge  for  each  1  V  of  excitation.) 

Load  cells  can  be  used  in  either  a  tension  and 
compression  mode,  which  produces  a  bipolar 
output,  or  compression  only.  For  instance,  the 
12-mA  tap  matches  bipolar  tension-or-compres- 
sion  signals  to  the  4-to-20-mA  span.  The  zero- 
adjustment  circuit  is  composed  of  resistors  RZi 
and  RZ2;  the  values  shown  in  Figure  5  provide  a 
full-scale  adjustment  range  of  ±  2% . 

The  auxiliary  amplifier,  operating  as  a  follow- 
er, provides  a  stiff  1  V  of  excitation,  which  may 
be  raised  to  a  higher  voltage—  thus  affording 
greater  sensitivity— if  a  higher  resistance 
bridge  is  used.  The  gain  of  the  signal  amplifier  is 
increased  by  placing  a  54.9-fi  precision  resistor 
in  series  with  a  20-fl  variable  resistor  between  Pi 
and  the  6.2-V  line.  These  values  derive  from: 

RS1  =  (360fi)/[(30mV/S)-l] 


where  S  is  the  required  4-mV  span. 
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V/F  CONVERTERS 

Q.  How  do  I  send  an  analog  signal  a  long  distance  without  losing 
accuracy? 

A.  An  excellent  solution  to  this  common  problem  is  to  ship  the 
signal  as  frequency  using  a  voltage-to-frequency  converter 
(VFC),  a  circuit  whose  output  is  a  frequency  proportional  to 
its  input.  It  is  relatively  easy  to  send  a  frequency  signal  over  a 
long  transmission  path  without  interference  via  optical  isola- 
tors, optical  fibre  links,  twisted-pair  or  co-axial  lines,  or  radio 
links. 

If  the  data  must  be  digital,  the  receiver  will  consist  of  a 
frequency  counter,  easily  implemented  in  a  single-chip  micro- 
computer. Frequency  is  reconverted  to  analog  voltage  by  a 
"frequency-to-voltage  converter"  (FVC)— generally  a  VFC 
configured  to  perform  its  inverse  function,  often  using  a 
phase-locked  loop. 


P.O.  BOX  9106  • 

Ask  the  Applications  Engineer  —  3 

by  James  Bryant 


t   FREQUENCY  DIGITAL  (  f  

\   COUNTER  OUTPUT  ^  f.  


How  does  a  VFC  work? 
There  are  two  common  types:  multivibrator-  (AD537)  and 
charge-balance  (AD650)  VFCs.* 

In  the  multivibrator  type,  the  input  voltage  is  converted  to  a 
current  which  charges  and  discharges  a  capacitor.  The  switch- 
ing thresholds  are  set  by  a  stable  reference,  and  the  output, 
which  has  unity  mark-space  ratio,  is  a  frequency  proportional 
to  the  input. 

The  charge-balance  VFC  uses  an  integrator,  a  comparator  and 
a  precision  charge  source.  The  input  is  applied  to  the  integra- 
tor, which  charges.  When  the  integrator  output  reaches  the 
comparator  threshold,  the  charge  source  is  triggered  and  a 
fixed  charge  is  removed  from  the  integrator.  The  rate  at  which 
charge  is  removed  must  balance  the  rate  at  which  it  is  being 
supplied,  so  the  frequency  at  which  the  charge  source  is 
triggered  will  be  proportional  to  the  input  to  the  integrator. 

 ,_rL_r 


Q.  What  are  the  advantages  and  disadvantages  of  the  two  types? 

A.  The  multivibrator  is  simple  and  cheap,  demands  little  power, 
and  has  unity  mark-space  (M-S)  output— very  convenient  with 
some  transmission  media.  But  it  is  less  accurate  than  the 
charge-balance  type  and  cannot  integrate  negative  input 
transients. 

The  charge-balance  type  is  more  accurate,  and  negative  input 
transients  are  integrated  to  contribute  to  the  output.  It  has 
more-demanding  supply  requirements  and  a  lower  input 
impedance,  and  its  output  is  a  pulse  train,  not  a  unity  M-S 
square  wave. 

Q.  What  are  the  important  types  of  error  in  a  VFC? 

A.  The  same  three  as  in  most  precision  circuitry:  offset  errors, 
gain  errors  and  linearity  errors— and  their  variation  with  tem- 
perature. As  with  most  precision  circuitry,  offset  and  gain  can 
be  trimmed  by  the  user,  but  linearity  cannot.  However,  the 
linearity  of  VFCs  is  normally  very  good  (if  the  capacitors  are 
properly  chosen— see  below). 

Q.  How  do  you  trim  gain  and  offset  in  a  VFC? 

A.  The  procedure  suggested  by  theory  is  to  trim  offset  first  at 
zero  frequency  and  then  gain  at  full  scale  (FS).  But  this  can 
give  rise  to  problems  in  recognizing  "zero  frequency,"  which 
is  the  state  when  the  VFC  is  just  not  oscillating.  It  is  therefore 
better  to  trim  offset  with  a  small  input  (say  0-1%  FS)  and 
adjust  for  a  nominal  frequency,  then  trim  gain  at  FS,  and  then 
repeat  the  procedure  once  or  twice. 

For  example,  suppose  a  VFC  is  being  used  with  FS  of 
100  kHz  at  10-volt  input.  Ideally,  10  V  should  give  100-kHz 
output  and  10-mV  input  should  give  100  Hz.  Offset  is,  there- 
fore, trimmed  for  100  Hz  with  10  mV  applied;  gain  is  then 
trimmed  to  give  100  kHz  at  10  V.  But  gain  error  affects  the 
10-mV  offset  trim  slightly,  so  the  procedure  may  have  to  be 
repeated  to  reduce  the  residual  error. 

If  a  VFC  is  used  with  software  calibration  a  deliberate  offset  is 
often  introduced  so  that  the  VFC  has  a  definite  frequency  for 
zero  input  voltage.  The  microcomputer  measures  the  VFC 
outputs  at  0  V  and  FS  inputs  and  computes  the  offset  and 
scale  factor.  It  may  also  be  necessary  to  reduce  the  gain  so  that 
the  VFC  cannot  try  to  exceed  its  maximum  rated  frequency. 


•Data  sheets  are  available  for  any  of  the  Analog  Devices  products  mentioned 
here.  An  Application  Note:  "Operation  and  Applications  of  the  AD654  V-to-F 
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Q.  What  circuit  precautions  are  necessary  when  using  a  VFC? 

A.  Apart  from  the  usual  precautions  necessary  with  any  precision 
analog  circuitry  (grounding,  decoupling,  current  routing,  iso- 
lation of  noise,  etc.,  a  subject  for  a  book,  not  a  paragraph)  the 
main  precautions  necessary  when  using  a  VFC  are  the  choice 
of  capacitor  and  separation  of  the  input  and  output. 
The  critical  capacitors  in  a  precision  VFC  (the  multivibrator's 
timing  capacitor,  and  the  monostable  timing  capacitor  in  a 
charge-balance  type)  must  be  stable  with  temperature  varia- 
tion. Furthermore,  if  they  suffer  from  dielectric  absorption,  the 
VFC  will  be  nonlinear  and  may  have  poor  settling  time. 
If  a  capacitor  is  charged,  discharged  and  then  open-circuited  it 
may  recover  some  charge.  This  effect,  known  as  dielectric 
absorption  (DA),  can  reduce  the  precision  of  VFCs  or  sample- 
hold  amplifiers  using  such  capacitors.  VFCs  and  SHAs  should 
therefore  use  Teflon  or  polypropylene,  or  zero-temperarure- 
coefficient  (NPO,  COG)  ceramic  capacitors  with  low  DA. 
Coupling  between  output  and  input  of  a  VFC  can  also  affect 
its  linearity.  To  prevent  problems,  decoupling  practices  and 
the  usual  layout  precautions  should  be  observed.  This  is  crit- 
ically important  with  opto  couplers,  which  require  high  cur- 
rent drive  (10-30  mA). 

Q.  How  do  you  make  a  frequency-lo-voltage  converter? 

A.  There  are  two  popular  methods:  the  input  frequency  triggers 
the  monostable  of  a  charge-balance  VFC  that  has  a  resistor  in 
parallel  with  its  integration  capacitor;  or  the  input  frequency 
can  be  applied  to  the  phase/frequency  comparator  of  a  phase- 
locked  loop  (PLL),  which  uses  a  VFC  (of  either  type)  as  its 
oscillator.  The  basic  principle  of  the  first  type  is  illustrated 
below. 


VFC  RECONFIGURED 
ASFVC 


For  each  cycle  of  the  input  frequency,  a  charge,  AQ,  is  deliv- 
ered to  the  leaky  integrator  formed  by  R  and  C.  At  equilibrium, 
an  equal  charge  must  leak  away  during  each  period,  T(=  I  If),  of 
the  input,  at  an  average  rate,  /  =  VIR.  Thus,  V  -  AQfR. 
Though  the  mean  voltage  is  independent  of  C,  the  output 
ripple  is  inversely  dependent  on  C.  The  peak-to-peak  ripple 
voltage,  AV,  is  given  by  the  equation,  AV  =  AQ/C.  This 
indicates  that  ripple  is  independent  of  frequency  (assuming 
that  the  charge,  Q,  is  delivered  in  a  short  time  relative  to  the 
period  of  the  input).  The  settling  time  of  this  type  of  FVC  is 
determined  by  the  exponential  time  constant,  RC,  from  which 
the  time  to  settle  within  a  particular  error  band  may  be  calcu- 
lated. 

From  these  equations,  we  see  that  the  characteristics  of  this 
type  of  FVC  are  interdependent,  and  it  is  not  possible  to 
optimize  ripple  and  settling  time  separately.  To  do  this  we 
must  use  a  PLL. 


PHASE-LOCKED 
LOOP 


The  phase-locked-loop  FVC  illustrated  differs  from  any  other 
PLL  in  only  one  respect:  the  voltage-controlled  oscillator  of 
the  normal  PLL,  which  must  be  monotonic  but  not  necessar- 
ily linear,  has  been  replaced  by  a  VFC  with  a  linear  control 
law.  In  the  servo  system,  negative  feedback  keeps  the  VFCs 
output  frequency  equal  to  the  input  frequency.  The  output 
voltage,  the  VFCs  input,  is  accurately  proportional  to  the 
input  frequency. 

Designing  PLL  systems  is  beyond  the  scope  of  this 
discussion,1  but  if  a  4000-series  CMOS  PLL,  the  4046,  is  used 
just  as  a  phase  detector  (its  VCO's  transfer  characteristic  is  not 
sufficiently  linear),  we  can  build  the  FVC  shown  here,  with  an 
AD654  VFC. 


VFC  ,|_J" 
3  2  5 


PLL  USING 
eh- L        AD654  AS 


c,  A  VOLTAGE- 
CONTROLLED 
OSCILLATOR 


NOTE:  PIN  A  MUST  BE  CLAMPED 
TO  BELOW  (Voo- 3  V)  TO 
PREVENT  LATCHUP 

Q.  What  is  a  synchronous  VFC? 

A.  A  charge-balance  VFC  with  improved  linearity  and  stability, 
where  the  monostable  is  replaced  by  a  bistable,  driven  by  an 
external  clock.  The  fixed  time  during  which  the  precision 
current  discharges  the  integrator  is  one  clock  period  of  the 
external  clock. 

A  further  advantage  of  the  SVFC  is  that  the  discharge  does  not 
start  when  the  integrator  passes  the  comparator  threshold  (at  a 
non-critical  rate),  but  on  the  next  clock  cycle.  The  SVFC 
output  is  synchronous  with  a  clock,  so  it  is  easier  to  interface 
with  counters,  llPs,  etc.;  it  is  especially  useful  in  multi- 
channel systems:  it  eliminates  problems  of  interference  from 
multiple  asynchronous  frequency  sources. 
There  are  two  disadvantages.  Since  the  output  pulses  are 
synchronized  to  a  clock  they  are  not  equally  spaced  but  have 
substantial  jitter.  This  need  not  affect  the  user  of  a  SVFC  for 
a/d  conversion,  but  it  does  prevent  its  use  as  a  precision 
oscillator.  Also,  capacitive  coupling  of  the  clock  into  the  com- 
parator causes  injection-lock  effects  when  the  SVFC  is  at  2/3 
or  1/2  FS,  causing  a  small  (4-6  bit  at  18-bit  resolution  at 
1-MHz  clock)  dead  zone  in  its  response.  Poor  layout  or  device 
design  can  worsen  this  effect. 

Despite  these  difficulties  the  improvement  in  performance 
produced  by  the  abolition  of  the  timing  monostable  makes  the 
SVFC  ideal  for  the  majority  of  high-resolution  VFC  applica- 
tions. 

Q.  Can  you  have  a  synchronized  FVC? 

A.  Yes,  and  with  very  good  performance;  it  is  best  done  with  an 
FVC-connected  SVFC  and  a  clock  that  is  common  to  both 
ends  of  the  transmission  path.  If  the  input  signal  to  a  synchro- 
nized FVC  is  not  phase  related  to  the  clock,  severe  timing 
problems  can  arise,  which  can  only  be  solved  by  the  use  of 
additional  logic  (two  D  flip-flops)  to  establish  the  correct 
phase  relationship.  Q 

'See  Gardner,  F.  M,  Phase-lock  Techniques,  2nd  ed.,  New  York:  Wiley,  1979, 
for  more  derail;  also  Analog  Devices'  Analog-Digital  Conversion  Handbook. 


23-4    VOLTAGE-TO-FREQUENCY  CONVERTERS 


ANALOG 


ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSAC 


AN-276 
APPLICATION  NOTE 

2-9106  •  617/329-4700 


- 


Analog-to-Digital  Conversion  Using 
Voltage-to-Frequency  Converters 

by  Paul  Klonowski 


INTRODUCTION 

A  voltage-to-frequency  converter  (VFC)  is  a  device  which 
accepts  at  its  input  an  analog  voltage  or  current  signal  and 
provides  at  its  output  a  train  of  pulses  or  square  waves  at 
a  frequency  which  is  proportional  to  the  input  value.  A 
voltage-to-frequency  converter  can  thus  be  used  as  a 
building  block  in  an  analog-to-digital  (A/D)  conversion 
system,  by  using  the  VFC  to  clock  a  counter  for  a  certain 
period  of  time  (the  "count  time"  or  "gate  time"  or  "con- 
version time")  and  reading  the  output  digital  word.  This 
digital  word  will  be  proportional  to  the  analog  input. 

There  are  a  number  of  advantages  to  using  a  voltage-to- 
frequency  converter  in  an  analog-to-digital  conversion 
scheme.  First,  unlike  converters  based  on  binary-weigh- 
ted networks,  monotonicity  is  inherent  under  all  supply 
and  temperature  conditions.  Second,  the  fact  that  the  sig- 
nal is  converted  to  an  easily-transmitted  serial  bit  stream 
allows  the  analog  circuitry  (the  VFC  and  analog  signal- 
conditioning  circuits)  to  be  located  close  to  the  signal 
source  and  the  digital  circuitry  (the  counter,  timing  gate 
and  display  circuitry)  to  be  located  elsewhere.  This  is 
especially  advantageous  when  a  large  number  of  chan- 
nels are  required;  the  remote  VFCs  can  be  used  to  provide 
"converter-per-channel"  data  acquisition.  Finally,  since 
the  digital  number  is  accumulated  over  a  large  number  of 
cycles,  integration  of  and  therefore  reduction  of  un- 
wanted signals  is  inherent. 

The  time  required  to  convert  an  analog  signal  into  a  digital 
word  is  related  to  the  maximum  full-scale  frequency  of 
the  VFC  and  the  required  resolution  of  the  measurement. 
For  example,  the  Analog  Devices  AD650  VFC  has  a  full- 
scale  frequency  of  1  MHz.  If  this  device  is  used  in  an  appli- 
cation where  a  resolution  of  16  bits,  or  1  part  in  65,536  is 
desired,  then  the  time  required  to  convert  the  analog  sig- 
nal into  a  16-bit  digital  word  will  be  65.536  ms.  Resolution 
of  18  bits,  or  1  part  in  262,144  will  require  a  count  time 
slightly  greater  than  0.262  seconds.  In  general,  the  re- 
quired count  time  for  an  analog-to-digital  conversion 
using  a  VFC  is: 

N 

"•"count  =  E5 

roout 


where  N  is  the  number  of  codes  for  a  given  resolution  and 
FSout  is  the  VFC  full-scale  output  frequency. 

Although  VFC-based  A/D  converters  are  slower  than  suc- 
cessive-approximation and  flash  converters,  they  are 
comparable  in  speed  to  integrating  A/D  converters.  VFC- 
based  A/D  converters  are  thus  well  suited  for  low  fre- 
quency applications  such  as  temperature  and  strain- 
gauge  measurements.  The  resolution  that  the  VFC  can 
provide  in  these  types  of  applications  offsets  the  relatively 
long  count  time  required  to  acquire  the  digital  word  cor- 
responding to  the  analog  input  value. 

The  intent  of  this  application  note  is  to  demonstrate  differ- 
ent methods  of  using  voltage-to-frequency  converters  as 
analog-to-digital  building  blocks.  The  focus,  then,  is  on  in- 
terfacing the  output  of  a  VFC.  For  detailed  information  on 
handling  a  variety  of  types  of  inputs  (temperature,  strain- 
gauge  and  photodiode  signals),  it  is  suggested  that  the 
reader  consult  the  individual  AD650,  AD651  and  AD654 
data  sheets  and  the  AD654  application  note,  all  available 
from  the  Analog  Devices  Literature  Center  (Phone  #  (617) 
329-4700).  Signal  multiplexing  schemes,  isolation  cir- 
cuits, and  individual  device  details  are  also  included  in  the 
material  listed  above. 

PULSE  COUNTING 

One  way  to  perform  an  analog-to-digital  conversion  using 
a  voltage-to-frequency  converter  is  to  have  a  single-chip 
microcomputer  count  the  number  of  pulses  that  occur  in 
a  fixed  time  period.  The  total  number  of  pulses  counted 
during  this  period  is  then  proportional  to  the  input  voltage 
of  the  VFC.  For  example,  if  a  1V  full-scale  input  produces 
a  100kHz  signal  from  the  VFC  and  the  count  period  is 
100ms,  then  the  total  full-scale  count  will  be  10,000.  Scal- 
ing from  this  maximum  is  then  used  to  determine  the 
input  voltage,  i.e.,  a  count  of  5,000  corresponds  to  an 
input  voltage  of  0.5V. 

I 

Figure  1  shows  the  Analog  Devices  AD654  VFC  output 
connected  to  the  counter  input,  T1,  of  the  Intel  8051  micro- 
computer. The  AD654  is  a  low-cost,  single-supply 
monolithic  VFC  with  a  full-scale  frequency  of  up  to 
500kHz.  The  8051  is  a  member  of  the  Intel  MCS-51  family 
of  8-bit  microcomputers  whose  family  members  differ 
mainly  in  their  internal  memory  capabilities.  In  the  follow- 
ing text,  the  term  "8051"  is  used  to  generically  refer  to  all 
members  of  the  MCS-51  family. 
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Figure  1.  AD654  Pulse  Counter 

The  analog  input  of  the  AD654  in  Figure  1  is  a  0  to  + 1 V 
signal.  The  timing  resistor  and  capacitor,  RT  and  CT,  are 
selected  such  that  this  0  to  +  1 V  signal  seen  at  Pin  4  results 
in  a  0  to  500kHz  output  frequency.  The  pull-up  resistor,  R3, 
ensures  that  the  AD654  output  meets  the  logic  levels  re- 
quired at  T1  (Pin  15)ofthe8051. 

The  8051  has  two  16-bittimer/event  counters  on-chip  (the 
8052  and  the  8032  have  three).  These  counters.  Timer  0 
and  Timer  1,  can  be  programmed  independently  to  oper- 
ate as  16-bit  time-interval  or  event  counters.  The  use  of 
Timer  0  and  Timer  1  is  determined  by  two  8-bit  registers, 
TMOD  (timer  mode)  and  TCON  (timer  control).  The  TMOD 
register  is  shown  in  Figure  2  below: 
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Figure  2.  8051  TMOD  Register 

"M1 "  and  "M0"  are  used  to  select  the  mode  of  each  timer, 
s  01  configures  the  timer  as  a  16-bit  time-interval  or 
t  counter.  "C/T"  is  the  timer  or  counter  selector  and 
is  cleared  for  timer  operation.  In  this  application.  Timer  0 
was  configured  as  the  timer  (to  provide  the  fixed  time  in- 
terval) and  Timer  1  was  configured  as  the  counter  (to 
count  the  pulses).  Hereafter,  the  two  timers  will  be  refer- 
red to  as  Timer  0  and  Counter  1.  When  running.  Timer  0 
increments  at  a  rate  equal  to  the  external  clock  divided  by 
twelve.  Using  a  12MHz  crystal,  this  corresponds  to  once 
every  microsecond.  "GATE"  is  the  gating  control.  When 
this  bit  is  clear,  timer/counter  "X"  is  enabled  whenever 
the  "TRx"  control  bit  found  in  the  TCON  register  is  set. 
The  "TRx"  bit  is  controlled  via  software.  When  the 


"GATE"  bit  is  set,  timer/counter  "X"  is  enabled  whenever 
the  "TRx"  bit  is  set  and  the  signal  level  appearing  at  the 
INTx  pin  (Pin  12  or  13  for  Timer  0  or  1,  respectively)  is 
high.  Thus,  when  a  GATE  bit  is  clear  that  timer  is  con- 
trolled by  software  only,  and  when  it  is  set  that  timer  is 
controlled  by  a  combination  of  software  and  hardware.  In 
this  application  the  GATE  bits  are  clear;  however  in  the 
next  application  they  will  be  set. 

Table  I  lists  the  software  routine  PLSECNT,  which  counts 
the  number  of  falling  edges  that  appear  at  T1  (the  Counter 
1  input)  in  a  50ms  window.  After  Counter  1  is  cleared,  the 
value  15539  is  loaded  into  Timer  0.  Since  Timer  0  is  a  16- 
bit  timer,  the  maximum  possible  count  is  65535.  With  the 
Timer  0  interrupt  enabled,  a  count  of  65536  will  cause  a 
jump  to  the  starting  address  (OBH)ofthe  Timer  0  interrupt 
service  program.  With  Timer  0  starting  at  1 5539  and  incre- 
menting once  every  (is  (based  on  a  12MHz  clock),  there 
will  be  49,997  counts  or  49.997ms  before  jumping  to  the 
service  program.  The  3p.s  difference  from  50ms  is  made 
up  in  the  speed  of  the  interrupt  response.  The  interrupt  re- 
sponse latency  ranges  from  3u.s  to  7u,s  when  using  a 
12MHz  crystal.  During  this  50ms  count  period,  control  re- 
sides with  the  main  program.  Thus  the  8051  is  not  tied  up 
while  Counter  1  is  counting  for  50ms.  After  the  interrupt 
service  is  reached.  Counter  1  and  Timer  0  are  stopped  and 
the  contents  of  Counter  1  are  moved  into  RAM,  where  it 
may  be  accessed  at  the  user's  convenience.  Control  is 
then  returned  to  the  main  program  for  which  the  sub- 
routine was  written.  With  a  maximum  frequency  of 
500kHz  and  a  count  window  of  50ms,  the  maximum  value 
of  Counter  1  will  be  25,000.  This  provides  resolution  great- 
er than  14  bits.  Appropriate  scaling  from  this  IV  full-scale 
reference  point  may  then  be  performed  in  software. 


ORG 

OOH 

AJMP 

MAIN 

PLSECNT 

ORG 

60H 

;PULSE  COUNTSUBROUT1NE 

MOV 

TMOD,  #51 H 

;Put Time  0  and  Count  1  inModeOI 

MOV 

TL1,#00H 

initialize  Counter  1  Register 

MOV 

TH1,#00H 

MOV 

TL0,  #0B3H 

;  Load  Time  0  With  1 5536  +  3. Will 

MOV 

TH0,  #3CH 

;OvflwAfter50ms  +  3|is  Delay 

SETB 

PT0 

;Prioritize  Time  0  Interrupt 

SETB 

ET0 

;  Enable  Time  0  Interrupt 

SETB 

EA 

.-Enable  Global  Interrupt 

SETB 

TR0 

;Start  Timer 

SETB 

TR1 

;Start  Counter 

RET 

;Return  to  Main  Program 

ORG 

0BH 

;TI ME  0  INTERRUPT  SUBROUTINE 

CLR 

TR1 

;StopCounter 

CLR 

TR0 

;StopTimer 

AJMP 

COUNT 

ORG 

40H 

COUNT 

MOV 

50H.TL1 

;  Move  Counter  Contents  Into  RAM 

MOV 

51H.TH1 

RETI 

; Return  from  Interrupt 

ORG 

100H 

IV.  /li- 

Subroutine  Was  Written 


Table  I.  805 1  Pulse  Count  Routine 
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PERIOD  TIMING 

Another  method  of  performing  analog-to-digital  conver- 
sion using  a  voltage-to-frequency  converter  (VFC)  and  a 
microcomputer  is  to  have  the  microcomputer  time  the 
period  of  the  VFC  output  frequency.  For  example,  an  out- 
put frequency  of  25kHz  has  a  period  of  40p.s.  If  a  timer  that 
is  incremented  once  per  microsecond  is  gated  to  this  sig- 
nal, a  total  count  of  40  will  result.  An  output  frequency  of 
250Hz  has  a  period  of  4ms.  The  same  timer  gated  to  this 
period  signal  will  then  produce  a  total  count  of  4000. 

One  of  the  advantages  of  period  timing  over  pulse  count- 
ing is  that  the  count  window  is  dependent  upon  the  output 
frequency  of  the  VFC;  in  many  cases  the  count  window 
will  be  shorter  for  period  timing  than  for  pulse  counting. 
This  will  be  especially  important  in  systems  where  a 
number  of  channels  are  being  converted.  Recall  that  in  the 
Pulse  Counter  application  the  count  window  was  50ms — 
whether  the  output  frequency  was  50kHz  or  50Hz.  With 
Period  Timing,  the  count  window  is  the  inverse  of  the  out- 
put frequency.  Thus,  a  50kHz  signal  will  have  a  count  win- 
dow of  20|xs,  while  a  50Hz  signal  will  have  a  count  window 
of  20ms.  In  fact,  it's  not  until  the  output  frequency  reaches 
20Hz  that  the  Period  Timing  count  window  is  equal  to  the 
50ms  Pulse  Counter  count  window. 

Figure  3  shows  the  circuitry  necessary  to  perform  an  ana- 
log-to-digital conversion  via  period  timing  using  the  Ana- 
log Devices  AD650  voltage-to-frequency  converter.  The 
AD650  has  a  maximum  full-scale  frequency  of  1MHz  with 
a  nonlinearity  error  of  0.1%  max  at  this  frequency.  The 
AD650  in  Figure  3  is  configured  such  that  a  0  to  +10V 
input  will  result  in  a  0  to  50kHz  output.  Because  the 
AD650's  output  is  made  up  of  pulses,  the  SN7474  D-type 
flip-flop  is  used  to  convert  these  pulses  into  a  square 
wave.  The  SN7474  Pin  3  and  Pin  5  waveforms  sketched  in 
Figure  3  show  that  the  width  of  either  the  high-level  or 
low-level  output  appearing  at  Pin  5  is  the  same  as  one 
period  of  the  AD650  output  frequency.  Note  also  that 
when  Pin  1  on  the  SN7474  is  held  low,  Pin  5  is  also  held 
low. 


Recall  that  the  INTO  pin  (pin  12)  on  the  8051  is  the  Timer 
0  gate  pin.  (See  Pulse  Counter  discussion).  When  the 
"GATE"  bit  is  set  in  the  TMOD  register,  Timer  0  will  run 
only  when  INTO  at  Pin  12  is  high  and  the  TR0  bit  in  the 
TCON  register  has  been  set  via  software.  Thus,  connect- 
ing the  "Q"  output  of  the  SN7474  to  the  INTO  pin  on  the 
8051  will  ensure  the  timer  runs  for  one  period  of  the 
AD650  frequency. 

One  problem  that  could  arise  is  the  TRO  bit  in  software 
being  set  in  the  middle  of  a  high-level  edge  at  the  INTO 
pin.  In  this  case.  Timer  0  would  run  for  a  fraction  of  a 
period  rather  than  one  full  period.  This  is  countered  by 
tying  the  8051  Port  1  Bit  5JP1 .5)  pin  to  the  SN7474  CLR 
pin.  When  CLR  is  low  and  PRE  is  high,  Q  is  low.  When  CLR 
and  PRE  are  both  high,  Q  changes  state  on  every  positive 
edge  appearing  at  the  clock  (C)  pin.  Setting  P1.5  low,  set- 
ting TRO  (in  software)  and  then  setting  P1.5  high  will  thus 
ensure  that  Timer  0  runs  for  one  full  period. 

Table  II  shows  the  software  subroutine  PCNT,  which  in- 
crements Timer  0  once  per  microsecond  for  one  AD650 
output  frequency  period.  Note  that  there  are  two  interrupt 
service  programs,  one  for  INTO  and  one  for  Timer  0.  The 
INTO  service  program  is  accessed  after  a  negative  edge 
appears  at  the  INTO  pin  (Pin  12),  signifying  the  end  of  one 
period.  The  timer  is  then  stopped  and  its  contents  are 
loaded  into  RAM.  The  user  may  then  access  the  contents 
at  his  convenience. 


ORG 

0OH 

AJMP 

MAIN 

PCNT 

ORG 

SOH 

.PERIOD  COUNTER  SUBROUTINE 

MOV 

TMOD.#05H 

;PutTime  0  in  Model,  Enable  INTO  Pin 

CLR 

PI  .5 

initially  Set  INT5  Pin  Low 

SETB 

IT0 

;Specify  Edge  Triggered  Interrupt 

MOV 

TL0.  #00H 

initialize  Timer 

MOV 

TH0,#00H 

SETB 

EX0 

; Enable  INTO  Interrupt 

SETB 

ET0 

;  Enable  Timer  0  Interrupt 

SETB 

EA 

;Enable  All  Interrupts 

SETB 

TRO 

;Start  Timer 

SETB 

P1.S 

;  Enable  Gate  INTO  Pin 

RET 

; Return  to  Main  Program 

ORG 

03H 

■INTO  Subroutine  Service  Program 

CLR 

TRO 

;Stop  Timer 

CLR 

EA 

.•Disable  Interrupts 

AJMP 

COUNT 

;Jumpto  Count 

ORG 

0BH 

;TIMER0  SUBROUTINE 

SERVICE  PROGRAM 

CLR 

TRO 

;StopTimer 

CLR 

EA 

;Disable  Interrupts 

AJMP 

OFLW 

;JumptoOFLW 

ORG 

40H 

0FLW 

MOV 

60H,  #FF 

;  Load  RAM  With  Overflow 

MOV 

61H.#FF 

;Value 

CLR 

P1.5 

;Set  INTO  Pin  Low 

RETI 

.-Return  From  Subroutine 

ORG 

SOH 

COUNT 

MOV 

60H.TH0 

;  Load  RAM  with  Counter  Contents 

MOV 

61H.TL0 

CLR 

P1.5 

;  Set  INTO  Pin  Low 

RETI 

;Return  From  Subroutine 

ORG 

100H 

MAIN        -  -  ;Main  Program  for  Which 

Subroutine  Was  Written 


Figure  3.  AD650  Period  Timing 


Table  II.  Period  Timing  Routine 
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The  Timer  0  service  program  serves  to  limit  the  count  win- 
dow to  approximately  65.5ms.  It  is  accessed  when  the 
contents  of  Timer  0  reach  65536.  This  will  occur  when  the 
AD650  input  voltage  is  approximately  3.05mV,  or  the  out- 
put frequency  is  approximately  1 5.26Hz.  This  service  pro- 
gram then  loads  the  overflow  value  "65535"  into  RAM. 
After  both  interrupt  subroutines,  and  after  initialization  of 
the  PCNT  subroutine,  control  returns  to  the  main  program 
for  which  the  subroutine  was  written.  Thus  the  8051  is  not 
tied  up  while  the  period  timing  is  occurring. 

One  possible  source  of  error  in  this  application  is  jitter, 
which  is  the  range  of  variation  in  the  period  of  the  output 
frequency.  This  variation  in  period  would  result  in  a  varia- 
tion in  the  number  of  pulses  counted  from  one  period  to 
the  next.  The  magnitude  of  this  error  can  be  greatly  re- 
duced in  software  by  taking  the  average  of  a  number 
of  period  counts  and  using  this  average  value  for 
calculations. 

COMPLETE  16-BIT  RESOLUTION 
ANALOG-TO-DIGITAL  SYSTEM 

Acomplete  16-bit  resolution  analog-to-digital  conversion 
system  is  shown  in  Figure  4.  This  system  uses  the  Analog 
Devices  AD651  as  its  VFC.  The  AD651  is  a  2MHz  full-scale 
output  synchronous  voltage-to-frequency  converter,  re- 
quiring an  external  clock  to  generate  the  full-scale  fre- 
quency rather  than  relying  on  the  stability  of  passive  com- 
ponents. This  allows  the  AD651  to  achieve  linearity  and 
stability  far  superior  to  any  other  monolithic  VFC  avail- 
able. Other  key  elements  in  this  system  include  an  Intersil 
7208  single  chip  counter-decoder-LED  driver,  a  4MHz  TTL 
oscillator,  and  two  4020B  binary  counters. 


The  AD651  is  configured  in  the  0  to  +  10V  input,  2MHz  out- 
put mode.  Pull-up  resistor,  R1,  is  used  to  feed  the  AD651 
output  frequency  directly  into  the  counter  input  pin  of  the 
7208  counter-decoder-driver.  The  4020Bs  are  14-stage  bi- 
nary ripple  counters  which  have  clock  and  master  reset  in- 
puts (Pins  10  and  11),  and  buffered  outputs  from  the  first 
stage  and  the  last  eleven  stages.  The  4020Bs  are  used  to 
generate  the  count  window  for  the  7208.  By  dividing  the 
4MHz  TTL  clock  by  218  (two  divide  by  29  stages  cascaded) 
a  15.2588Hz  signal  results.  The  7208  will  count  the  nega- 
tive edges  of  the  AD651  output  pulses  when  pin  13  is  low. 
With  a  15.2588Hz  signal,  the  count  window  will  be 
32.768ms. 

■ 

Besides  being  tied  to  the  count  enable  pin,  the  15.26Hz 
signal  is  also  tied  to  the  74LS221  dual  monostable 
multivibrator. 

Figure  5  shows  the  purpose  of  the  74LS221  one-shot. 
After  the  count  window  on  the  7208  has  been  closed  (that 
is,  the  count  enable  input  has  gone  high),  the  data  must 
be  latched  and  then  decoded  in  order  to  drive  the  LEDs. 
After  this  data  has  been  latched,  the  counter  must  then  be 
cleared  in  order  to  get  an  accurate  count  during  the  next 
count  window.  The  purpose  of  the  74LS221  is  to  provide 
the  required  STORE  input  and  RESET  input  pulses.  Al- 
though the  7208  only  requires  pulse  widths  greater  than 
50ns,  R3  •  C2  and  R4  ■  C3  have  been  selected  to  provide  a 
pulse  width  of  approximately  500 pis. 
The  7208  automatically  handles  the  decoding  and  driving 
of  the  LEDs.  The  only  other  components  required  are  re- 
sistors R5  and  R6  and  capacitor  C4.  These  non-critical  pas- 
sive components  control  the  display  multiplex  rate  of  the 
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Figure4.  Complete  16-Bit  Analog-to-Digital  System 
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COUNT  ENABLE  INPUT 


U 


-«-|     H—  >50M  —I    I—  SEGMENT  DATA 


u 


■  COUNTER  RESET 


Figure  5.  ICM7208  Timing  Diagrams 

LEDs  and  were  selected  following  the  manufacturer's 
guidelines  to  provide  a  multiplex  rate  between  50  and 
200Hz. 

To  achieve  maximum  performance  with  the  AD651,  the 
fixed  gate  interval  (or  the  "count  window")  should  be 
generated  using  a  multiple  of  the  AD651  SVFC  clock  input, 
as  was  done  in  this  application.  Counting  in  this  manner 
eliminates  any  errors  due  to  the  clock  (whether  it  be  jitter, 
drift  with  time  or  temperature,  etc.)  since  it  is  the  ratio  of 
the  clock  and  output  frequencies  that  is  being  measured. 

The  resolution  of  the  A/D  conversion,  of  course,  is  deter- 
mined by  the  clock  frequency  and  the  gate  time.  If,  for 
instance,  a  resolution  of  12  bits  is  desired  and  the  clock 
frequency  is  1  MHz  (resulting  in  an  AD651  FS  frequency  of 
500kHz)  the  gate  time  will  be: 

/fSFreq\  1      /l  Clock Freq\  '  _  /  1MHz  V1 

\     N     /      "  \2        N        )      ■  12(4096)/ 

\  i  \  i  \  i 


8192 

1  x106 


I  8.192ms:  where  N  is  the  total  number  of 
codes  for  a  given  resolution 


Table  III  shows  the  relationship  between  the  AD651  clock 
frequency  and  gate  time  for  various  degrees  of  resolution. 
In  this  application,  16  bits  of  resolution  were  desired  using 
a  4MHz  clock,  making  the  required  gate  time  32.77ms. 


GATING  OFF  A  KNOWN  INTERFERING  SIGNAL 

One  source  of  error  in  analog-to-digital  systems  is  an  in- 
terfering signal  that  couples  into  the  analog  signal  to  be 
converted.  For  example,  undesired  coupling  of  power- 
line  energy  often  appears  as  a  sine  wave  riding  on  top  of 
the  DC  level  to  be  converted,  resulting  in  an  erroneous 
digital  output.  Since  the  frequency  of  this  interfering  sine 
wave  is  well-known  (50  or  60Hz),  the  errors  caused  by  the 
pickup  can  be  integrated  out  by  using  a  gating  time  equal 
to  a  multiple  of  the  period  of  the  sine  wave.  A  replica  of 
the  interfering  signal  can  be  picked  off  of  a  nearby  trans- 
former and  fed  into  a  phase  locked  loop,  a  block  diagram 
of  which  is  shown  in  Figure  6.  This  loop  provides  two  out- 
put signals  -  a  high  frequency  clock  (at  a  high  harmonic 
of  the  interference)  and  a  gating  clock  (at  a  lower  har- 
monic of  the  interference). 


Figure  6.  Phase  Locked  Loop 

By  using  f0uT  as  the  AD651  clock  source  and  by  using  f]N 
from  the  divide  by  N  counter  as  the  count  window  source, 
a  resolution  of  one  part  in  1/2  N  is  achieved,  where  N  is 
the  "+N"  of  the  counter.  If  the  count  window  is  level- 
triggered  rather  than  edge-triggered  (as  with  the  7208), 
then  the  resolution  will  be  1/4  N. 

Figure  7  shows  the  hardware  required  to  implement  Fig- 
ure 6.  The  MC4044  in  Figure  7  contains  both  the  phase  de- 
tector and  the  amplifier/filter  shown  in  the  block  diagram. 
The  interfering  signal  was  60Hz  and  was  converted  into  a 
TTL  level  signal  to  feed  into  the  MC4044.  Components  Rv 
R2  and  C,  were  selected  to  allow  for  a  50Hz  or  a  60Hz  inter- 
fering signal.  The  error  voltage  from  the  MC4044  is  then 
fed  into  the  AD654,  which  is  configured  in  a  0  to  +  IV 
input,  0  to  500kHz  output  mode.  Because  the  74LS393 


Resolution 

N 

Clock 

Conversion 
or 

Gate  Time 

Typ  Lin 

Comments 

12  Bits 

4096 

81.92kHz 

100ms 

0.002% 

50,60,400HzNMR 

12  Bits 

4096 

2MHz 

4.096ms 

0.01% 

12  Bits 

4096 

4MHz 

2.048ms 

0.02% 

4  Digits 

10000 

200kHz 

100ms 

0.002% 

50,60,400HzNMR 

14  Bits 

16384 

327.68kHz 

100ms 

0.002% 

50.60,400HzNMR 

14  Bits 

16384 

1.966MHz 

16.66ms 

0.01% 

60HzNMR 

14  Bits 

16384 

1.638MHz 

20ms 

0.01% 

50HzNMR 

4 1/2  Digits 

20000 

400kHz 

100ms 

0.002% 

50,60,400HzNMR 

16  Bits 

65536 

655.36kHz 

200ms 

0.002% 

50,60,400HzNMR 

16  Bits 

65536 

4MHz 

32.77ms 

0.02% 

Tablelll.  AD651  Clock  Frequency  and  Gate  Time  Relationships 


■' 


for  Various  Resolutions 
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Figure  7.  Gating  Off  a  Known  Interfering  Signal 


dual  4-bit  binary  counters  are  configured  to  provide  a 
"^N"  of  8192,  the  output  frequency  of  the  AD654will  be 
491520Hz.  This  signal  is  used  as  the  clock  for  the  AD651. 
The  output  of  the  second  counter  is  60Hz  and  is  both  fed 
back  into  the  MC4044  and  used  as  the  frequency  counter 
gate  signal. 

In  this  system  it  is  also  possible  to  get  higher  resolution 
by  using  Pins  10,  9  or  8  of  A4  as  the  frequency  counter 
gate  signal.  Pin  11,  though,  must  be  fed  back  into  the 
MC4044.  From  Pin  1  of  A3  to  Pin  11  of  A4,  N  =  81 92  or  213. 
This  will  supply  12-bit  resolution.  Using  Pins  10,  9  or  8  to 
provide  the  gate  frequencies  will  supply  resolutions  of  13, 
1 4  or  1 5  bits,  respectively. 

MC6801 -AD650  BASED  ANALOG-TO-DIGITAL 
CONVERSION 

In  some  applications,  it  may  be  necessary  to  perform  an 
analog-to-digital  conversion  with  a  microprocessor  that 
either  does  not  have  an  on-chip  timer/counter,  or  does  not 
have  an  available  on-chip  timer/counter.  Using  some  ad- 
ditional hardware,  it's  still  possible  to  count  the  output 
pules  of  a  VFC  for  a  fixed  period  of  time  and  store  this 
count  in  the  microprocessor's  RAM,  when  the  user  may 
access  it  at  his  convenience. 

Figure  8  shows  the  circuitry  necessary  to  perform  the  ana- 
log-to-digital conversion  using  the  AD650  VFC  and  the 
MC6801  (jlP,  and  assumes  that  the  on-chip  counter  is  dedi- 
cated to  another  function.  The  MC6801  is  an  8-bit,  single- 
chip  microcomputer  with  2048  bytes  of  ROM,  128  bytes  of 
RAM,  a  serial  communications  interface,  and  a  three  func- 
tion programmable  timer.  The  AD650  VFC  is  configured 
in  the  0  to  -H0V  input,  0  to  1  MHz  output  mode. 


The  additional  hardware  necessary  to  count  the  output 
pulses  of  the  AD650  includes  two  74590  8-bit  binary  coun- 
ters with  output  registers,  one  4020B  14-stage  binary 
counter,  one  7474  dual  D-type  flip-flop  with  preset  and 
clear,  and  one  inverter  of  a  74LS04  hex  inverter. 

The  4020B  and  7474  provide  the  timing  signal  which  tells 
the  counters  when  to  start  and  stop  counting.  The  input 
to  the  4020B  is  tied  to  the  'E'  Pin  (Pin  40)  of  the  MC6801. 
The  signal  at  the  'E'  Pin  is  simply  the  MC6801  external 
crystal  frequency  divided  by  four,  or  in  this  case 
1.2288MHz.  The  4020B  divides  the  1. 2288MHz  signal  by 
214,  which  results  in  a  75Hz  signal  being  fed  into  Pin  3  of 
the  7474.  The  7474  further  divides  this  signal  by  four,  to 
18.75Hz.  This  signal  will  appear  at  Pin  9  depending  upon 
the  signal  level  at  Pins  1  and  10.  If  Pins  1  and  10  are  low. 
Pin  9  will  be  held  at  a  TTL  high.  If  Pins  1  and  10  are  high, 
the  18.75Hz  square  wave  will  appear  at  Pin  9.  When  Pin 
9  is  high,  the  74590  counters  are  disabled  and  no  counting 
occurs;  if  the  output  of  Pin  9  is  a  square  wave,  the  coun- 
ters will  be  enabled  during  the  low  level  of  the  period  and 
will  thus  count  for  26.67ms.  Note  that  it  is  Bit  4  of  Port  1 
(P14)  that  controls  whether  the  counters  will  be  enabled 
or  not.  If  this  bit  is  low,  no  count  will  occur.  Note  also  that 
Pin  9  is  connected  to  the  external  interrupt  request  (IRQ1) 
pin  of  the  MC6801  through  an  inverter.  This  produces  two 
results  when  Pin  9  changes  from  low  to  high.  First,  the 
counters  are  disabled  since  CCKEN  of  A2  is  tied  to  Pin  9. 
Secondly,  the  low-to-high  transition  is  inverted  and  gen- 
erates an  interrupt  request  on  the  IRQ1  line.  The  MC6801 
then  clears  P14  to  prevent  another  count  from  occurring 
before  the  74590  counter  values  are  read. 
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All  of  the  counting  events  are  controlled  by  the  signal 
levels  of  the  different  bits  of  Port  1.  By  writing  different 
values  to  Port  1  the  74590  counters  are  cleared,  enabled, 
disabled,  latched,  and  read.  The  values  which  control 
these  functions  are  shown  in  Table  IV  below. 

Port  1  Configuration 


Event 

P4 

P3 

P2  PI 

P0  Hex 

Clear  Counters 

0 

0 

1  1 

0  06 

Enable  Counters 

1 

0 

1  1 

1  17 

Disable  Counters 

0 

0 

1  1 

1  07 

Latch  Data 

0 

1 

1  1 

1  OF 

Output  Hi  Byte 

0 

1 

1  0 

1  0D 

Output  Lo  Byte 

0 

1 

0  1 

1  OB 

Table  IV.  Port  1  Event  Control  Values 

Table  V  shows  the  software  routine  that  controls  the 
AD650  pulse  counter  routine.  This  routine  sets  the  stack 
pointer,  disables  the  interrupts,  clears  the  74590  counters 
and  then  enables  the  interrupts  after  a  delay  period  (this 
will  be  discussed  later).  After  the  interrupt  request  is 
triggered  by  a  low-to-high  transition  at  Pin  9  of  the 
SN7474,  the  program  counter  jumps  to  the  interrupt 
routine.  This  routine  disables  any  further  interrupts,  turns 
off  the  74590  counters  and  reads  the  lo  and  high  bytes, 


ORG 

0100 

COUNT  ROUTINE 

8E 

ooco 

BEGIN 

LDS 

#SC0 

Set  Stack  Pointer 

OF 

SEI 

Disable  Interrupts 

86 

06 

LDAA 

#$06 

Clear  Counter 

97 

02 

STAA 

$02 

86 

17 

LDAA 

#$17 

Turn  On  Counter 

97 

02 

STAA 

$02 

86 

2F 

LDAA 

#$2F 

Insert  Delay  >  13.33ms  To 

C6  7F 

AGN 

LDBB 

#$7F 

Prevent  Interrupt  Error 

5A 

CNT 

DECB 

2E 

FO 

BGT 

CNT 

4A 

DECA 

2£ 

F8 

BGT 

AGN 

0E 

CLI 

Allowlnterrupt 

39 

RTS 

Return  From  Subroutine 

ORG 

FFFB 

AIRQ1 

FDB 

LDCNT    Define  Interrupt  Routine 

Start  Point 

ORG 

0080 

INTERRUPT  ROUTINE 

OF 

LDCNT 

SEI 

Disable  Interrupt 

86 

07 

LDAA 

#$07 

Turn  Oft  Counter 

97 

02 

STAA 

$02 

86 

OF 

LDAA 

#$0F 

Latch  Data  In  Counter 

97 

02 

STAA 

$02 

86 

0D 

LDAA 

#$0D 

Output  Counter  Lo  Byte 

97 

02 

STAA 

$02 

96 

06 

LDAA 

$06 

Read  Byte  From  Port  3 

97 

A7 

STAA 

$A7 

Store  in  Location COA7 

86 

0B 

LDAA 

#$0B 

Output  Counter  Hi  Byte 

97 

02 

STAA 

$02 

96 

06 

LDAA 

$06 

Read  Byte  From  Port  3 

97 

A6 

STAA 

SA6 

Store  In  Location  00A6 

86 

07 

LDAA 

#$07 

Turn  Off  Counter 

97 

02 

STAA 

$02 

86 

10 

LDAA 

#$10 

Set  The  Interrupt  Bit  On  The 

9A 

BA 

ORAA 

$BA 

Stacked  Condition  Code  Register 

97 

BA 

STAA 

$BA 

3B 

RTI 

Return  From  Interrupt 

Table  V.  MC6801  Pulse  Count  Routine 
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storing  them  in  locations  00A7  and  00A6  respectively.  The 
interrupt  bit  on  the  stacked  condition  code  register  is  then 
set  and  the  program  counter  returns  from  the  interrupt 
routine. 

Two  areas  in  the  software  routine  need  to  be  discussed  in 
further  detail  -  the  time  delay  before  enabling  the  MC6801 
interrupt  and  setting  the  interrupt  bit  on  the  stacKed  con- 
dition code  register. 

Figure  9  shows  the  waveforms  that  will  appear  around  the 
time  the  74590  counters  are  instructed  to  start  counting  by 
setting  Pins  1  and  10  high. 


-»-|  13-33  ms 


Figure  9.  SN7474  Waveforms 

Recall  that  Pin  9  will  only  output  an  18.75Hz  square  wave 
when  Pins  1  and  10  are  held  high.  Pin  9  will  not  change 
state  after  Pins  1  and  10  go  high  until  the  next  positive 
edge  occurs  at  Pin  3.  Figure  9  shows  the  worst  case  that 
will  happen  -  Pins  1  and  10  go  high  just  a  few 
nanoseconds  after  Pin  3  sees  a  positive  going  edge.  Pin 


9  will  not  change  state  for  approximately  another 
13.33ms.  Also,  recall  that  Pin  9  is  fed  to  the  IRFQ1  pin 
through  an  inverter,  thereby  setting  the  signal  level  low 
during  the  13.33ms  wait  state.  Since  IRFQ1  is  level  sensi- 
tive, allowing  an  interrupt  during  this  wait  state  would 
cause  a  jump  to  the  interrupt  routine  before  the  26.67ms 
count  window  has  been  opened  up.  By  inserting  a  delay 
greater  than  13.33ms  before  allowing  the  interrupt,  the  in- 
terrupt is  enabled  during  the  count  window  (when  Pin  9 
is  low,  and  thus  the  IRFQ1  pin  is  high).  This  will  ensure 
that  the  interrupt  routine  is  accessed  after  the  26.67ms 
count  window  closes. 

Setting  the  interrupt  bit  on  the  stacked  condition  code  re- 
gister is  also  important.  After  executing  the  CLI  instruc- 
tion in  software,  Bit  4  of  the  condition  code  register  (CCR) 
is  cleared.  This  enables  the  IRQ1  interrupt.  Once  an  inter- 
rupt request  is  detected  (a  low  level  at  the  IRQ1  pin),  the 
CCR  is  pushed  onto  the  stack  in  its  present  state.  A  total 
of  seven  bytes  are  pushed  on  the  stack  and  the  last  one 
pushed  is  the  CCR.  Since  the  stack  pointer  was  set  at  loca- 
tion 00C0  the  location  of  the  CCR  is  7  bytes  down,  or  at 
location  00 BA.  By  OR'ing  1 0H  with  the  contents  of  location 
00BA  the  interrupt  is  disabled.  This  will  prevent  the  pro- 
gram counter  from  jumping  into  the  interrupt  routine 
again  right  after  coming  out  of  it,  even  though  the  level 
sensed  at  the  IRQ1  pin  is  low.  If  this  bit  were  not  set,  the 
program  counter  would  jump  out  of  the  interrupt  routine, 
see  that  the  interrupt  enable  bit  was  clear  and  that  the 
level  at  the  IRFQ1  pin  was  low,  and  jump  right  back  into 
the  interrupt  routine  again. 


I 
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Applications  of  the  AD537 
IC  Voltage-to-Frequency  Converter 


by  Barrie  Gilbert  and  Doug  Grant 


I  INTRODUCTION 
Product  Description 

The  AD537  is  a  monolithic  voltage-to-frequency  converter 
combining  simplicity  of  use  in  standard  applications  with  an 
unusual  degree  of  flexibility  and  versatility.  Designed  for 
either  single-  or  dual-supply  operation  at  low  voltages  and 
current  (5V  and  1mA)  the  AD537  has  the  capability  for 
driving  high-voltage,  high-current  loads  (36V  and  20mA). 
The  chip  includes  an  accurate  band-gap  reference  generator, 
a  low-drift  input  amplifier  capable  of  operating  directly  from 
millivolt  signals,  a  precision  current-controlled  oscillator 
and  a  high-current  output  stage.  It  is  a  complete  circuit, 
using  low  temperature  coefficient  silicon-chromium  thin- 
film  resistors  throughout,  except  for  one  external  resistor 
and  one  capacitor.  These  provide  the  user  with  a  means  for 
programming  the  full-scale  input  voltage  from  100mV  to 
10V  (or  greater,  depending  on  the  positive  supply  voltage 
in  some  cases),  and  the  full-scale  (FS)  frequency  to  any  value 
less  than  150kHz.  Either  positive  or  negative  input  voltages 
can  be  accepted.  The  scaling  relationship  is  simply  f  = 
V/10RC,  simplifying  the  choice  of  the  external  components. 
Linearity  error  is  as  low  as  ±0.07%  for  10kHz  FS  guaranteed 
over  an  80dB  dynamic  range.  The  output  frequency  is  stable 
with  temperature  (typically  ±50ppm/°C  excluding  the 
effects  of  external  components)  and  supply  (typically 
±0.01  %/V  from  5  to  36V). 

The  specially-designed  input  amplifier,  which  actually  func- 
tions as  a  voltage  to  current  converter,  has  a  typical  drift  of 
only  ±1uV/°C  when  nulled,  which  permits  operation  directly 
from  such  low-level  transducers  as  strain-gauges,  thermo- 
couples, current-shunts,  etc.,  while  offering  a  high  (250MI2) 
input  resistance  to  positive  signals.  The  output  stage,  an 
open-collector  NPN  circuit,  can  sink  up  to  20mA  with  a 
saturation  voltage  less  than  0.4V,  and  withstand  a  supply  of 
36V.  The  Logic  Common  terminal  can  be  connected  to  any 
level  between  ground  (or  -Vs)  and4V  below +VS,  permitting 
easy  interfacing  with  any  digital  logic  family.  The  high  cur- 
rent capability  means  that  LED's,  long  cables,  or  up  to  12 
TTL  loads  can  be  driven  directly.  Unlike  most  V-F  con- 
verters, the  AD537  is  designed  to  deliver  a  square-wave  out- 
put; this  has  advantages  both  internally  (the  power  dissipa- 


tion is  essentially  independent  of  frequency,  so  that  self- 
heating  effects  do  not  cause  linearity  errors)  and  externally 
(the  average  level  of  the  output  is  constant,  useful  in  ac- 
coupled  links;  it  also  allows  operation  as  a  phased-locked- 
loop  in  F-V  and  other  applications). 

Two  auxiliary  outputs  are  provided  to  enhance  the  versa- 
tility. The  first  is  a  fixed  voltage  of  1.00V,  generated  by  the 
primary  band-gap  reference  circuit.  This  is  useful  in  many 
applications  described  here;  for  example,  it  can  be  used  to 
power  a  resistive  transducer,  or  provide  the  reference  voltage 
for  an  associated  DAC.  The  second  is  an  output  scaled 
+1.00mV/°K  which  enables  the  circuit  to  be  used  as  a  relia- 
ble temperature-to-frequency  converter;  the  error  due  to 
self-heating  can  be  kept  to  less  than  1°K  using  a  5V  supply 
and  light  output  loading.  Used  in  conjunction  with  the 
fixed  reference  output,  offset  scales  such  as  Celsius  or 
Fahrenheit  can  be  accommodated. 

Whereas  most  V-F  converters  are  limited  in  their  range  of 
applications  to  basic  telemetry  and  slow  A-D  conversion, 
the  low  cost,  low  power  drain  and  high  flexibility  of  the 
AD537  open  up  a  wide  spectrum  of  uses.  The  long-term 
stability  is  excellent,  and  assured  by  subjecting  every  device 
to  a  stabilization  bake  and  ten  temperature  cycles  of  -65°C 
to  +150°C  prior  to  final  test.  The  circuit  is  available  in  three 
performance  grades  in  a  14-pin  ceramic  package  or  10  pin 
hermetic  metal  can.  For  complete  specifications  see  the 
data  sheet. 

Theory  of  Operation 

A  block  diagram  of  the  AD537  is  shown  in  Figure  1.  The 
key  to  accurate  operation  is  the  current-to-frequency  con- 
verter, which  is  a  very  carefully  designed  multivibrator.  The 
main  advantages  of  the  circuit  are  its  simplicity,  requiring 
only  a  single  timing  capacitor;  the  use  of  push-pull  charging, 
resulting  in  a  large  voltage  across  this  capacitor  even  at  low 
supply  voltages,  for  improved  timing  accuracy  and  low  cycle- 
to-cycle  jitter;  its  square-wave  output,  generally  more  use- 
ful than  the  narrow  pulse  generated  by  charge-dispensing 
converters;  and  its  good  linearity.  By  using  special  adaptive 
biasing  techniques  operation  of  this  multivibrator  is  possible 
over  a  very  large  dynamic  range,  from  a  maximum  control 
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Figure  1.  Block  Diagram  of  AD537 
current  of  2mA  to  less  than  100nA.  It  can  be  shown  that 
the  basic  circuit  has  a  well-defined  temperature-coefficient 
of  300ppm/°K  (at  all  values  of  control  current),  and  use  is 
made  of  the  tight  thermal  coupling  to  the  associated  band- 
gap  reference  generator,  which  supplies  an  exactly-propor- 
tioned temperature-compensation  voltage  to  the  multi- 
vibrator. The  band-gap  cell  also  provides  all  the  required 
bias  for  internal  operation  of  the  chip,  the  fixed  reference 
output  and  the  temperature-proportional  output. 

The  square-wave  output  of  the  multivibrator  operates  the 
output  driver  which  provides  a  floating  drive  current  to 
the  large-geometry  output  transistor,  Q2  (Figure  1).  In- 
ternally, there  are  actually  two  transistors  (in  a  thermally 
symmetric  layout  for  minimal  interaction  with  the  remaining 
circuits)  designed  for  very  low  saturation  voltage  and  driven 
to  combine  low  ON  voltages  with  a  well-defined  current  limit. 
The  SYNC  input  (pin  2)  allows  the  oscillator  to  be  slaved  to 
a  master  clock  if  desired.  It  also  permits  control  of  the 
state  of  the  output.  These  uses  of  the  SYNC  pin  are  dealt 
with  in  later  sections. 

A  versatile  operational  amplifier  (BUF)  serves  as  the  input 
stage.  Its  purpose  is  to  convert  the  applied  input  voltage  to 
a  control  current  in  Q1  (Figure  1);  this  current  is  optimally 
1mA  at  the  input  corresponding  to  the  maximum  output 
frequency.  By  strapping  pins  3  and  4  the  input  voltage  can 
be  impressed  across  the  external  scaling  resistor,  R,  which  is 
chosen  to  provide  the  needed  transconductance  for  the 
application.  For  example,  for  a  FS  input  voltage  of  2.5V 
the  optimum  resistor  value  in  most  cases  will  be  2.5kl2.  The 
+V|n  terminal  of  the  op-amp  (pin  5)  offers  a  high  input 
resistance  (250MS7)  with  a  bias  current  of  about  100nA. 
The  design  of  the  op-amp  ensures  that  the  effect  of  finite 
bias  current  on  drift  is  small,  that  is,  drifts  of  the  order  of 
1/liV/°C  can  be  achieved  even  with  source-resistance/scaling- 
resistance  imbalances  of  1kfi.  Consequently,  the  AD537 
can  accommodate  millivolt  signals  without  the  need  for  a 
pre  amplifier.  The  input  configuration  is  also  quasi-differ- 
ential, so  that  errors  due  to  ground-loops  can  be  avoided 
by  proper  choice  of  signal  connections.  The  common-mode 
range  of  the  input  extends  from  4V  below  +VS  (that  is, 
from  +11V  for  a  +VS  of  15V)  right  down  to  -Vs,  so  that 
inputs  down  to  ground  potential  can  be  accepted  even  when 
operating  from  a  single  supply  voltage.  Negative  inputs 
(voltages  or  currents)  can  be  accepted,  by  fixing  the  voltage 
on  pin  5  (usually  to  ground  potential)  and  driving  pins  3 
and  4 


The  precision  voltage  reference  is  based  on  Brokaw's  cell 
and  incorporates  some  novel  features  to  ensure  a  small 
spread  in  output  voltage  without  the  need  for  laser-trim- 
ming. The  internal  voltage  of  approximately  1.22V  is  resis- 
tively-divided  to  provide  the  output  of  IV  at  pin  7,  which 
therefore  has  a  finite  output  resistance  (380S2  nominal). 
Loading  errors  will  occur  in  applications  where  this  voltage 
is  used  to  drive  external  components.  This  is  clarified  in  a 
later  section.  Likewise,  the  temperature-proportional  out- 
put at  pin  6  has  a  nominal  source  resistance  of  900J2,  and 
loading  must  be  considered.  When  the  AD537  is  used  in  the 
thermometer  mode,  the  loading  of  the  input  op-amp  (pin  5) 
is  negligible. 

Pins  9  and  10  are  provided  for  trimming  the  offset  voltage 
of  the  input  op-amp  to  exactly  zero,  using  an  external  pot 
whose  slider  is  connected  to  +Vg.  However,  in  many  cases 
the  low  initial  offset  of  the  AD537  (2mV  guaranteed  for 
the  AD537K)  eliminates  the  need  for  trimming  (it  amounts 
to  a  zero-error  of  only  0.02%  for  a  10V  input)  and  the 
device  operates  correctly  without  this  pot.  Note  that  no 
damage  will  result  to  the  circuit  if  pin  9  or  10  is  inad- 
vertently connected  to  -Vs.  Offset  trimming  is  not  avail- 
able on  the  10-pin  metal  can  version  of  the  AD537  due  to 
pin  limitations. 

For  further  details  of  the  internal  design  of  the  AD537, 
refer  to  B.  Gilbert,  "A  Versatile  Monolithic  Voltage-to- 
Frequency  Converter",  IEEE  J.  Solid  State  Circuits, 
Vol  SC-11,  P852-864,  Dec.  1976. 

II     BASIC  OPERATING  MODES 
Positive  Input  Voltage 

Figure  2  shows  the  connections  for  basic  operation  of  the 
AD537  as  a  V-F  converter  with  positive  voltage  inputs. 
Usually  a  single  supply  will  be  sufficient,  with  -Vs  and 
LOGIC  GND  strapped  to  the  supply  ground.  The  lower  end 
of  the  scaling  resistor  should  be  connected  to  the  appropri- 
ate signal  ground  to  avoid  errors  due  to  the  inevitable  on- 
board voltage  drops.  The  nominal  value  of  R  is  chosen  such 
that  the  FS  input  voltage  sets  up  a  current  of  1mA  in  it. 
Thus,  for  a  0  to  +10V  input,  R  would  be  nominally  10kf2. 
It  is  a  simple  matter  to  recalculate  R  for  other  FS  voltages; 
note  that  with  +VS  =  5V  the  maximum  input  is  +1V. 
However,  the  specifications  allow  for  the  fact  that  the  sup- 
ply may  be  5%  low,  and  in  practice  reliable  operation  can 
be  achieved  for  inputs  slightly  in  excess  of  +1V.  Full-scale 
currents  other  than  1mA  can  be  chosen,  with  some  degrada- 
tion of  linearity. 

In  precision  applications  sufficient  trim  range  must  be  pro- 
vided to  accommodate  the  scaling  error  of  the  AD537  (±7% 
max  for  the  J,  ±5%  max  for  the  K  and  S  grades)  and  the 
tolerance  on  the  timing  capacitors,  which  might  be  ±3%. 
In  the  example  just  given,  the  fixed  part  of  R  could  be 
9.09kft  and  the  scaling  adjustment  a  2kS2  pot  of  good  reso- 
lution and  stability.  To  accommodate  an  input  of  +10V  the 
+VS  supply  must  be  at  least  +14V  (+VtN  +  4V);  using  a 
standard  15V  supply  a  10%  over-range  is  possible. 

Having  chosen  the  scaling  resistor  to  fit  the  FS  input 
voltage  requirement,  the  timing  capacitor,  C,  is  simply 
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Figure  2.  Basic  (Positive  Input)  Connections 

calculated  from  the  basic  relationship 
V  1 

f  =  To" '  "cr" 

Thus,  for  a  10V  FS  input,  the  FS  frequency  is  just  1/CR. 

The  timing  capacitor  will  usually  be  either  0.01mF  for  10kHz 
FS  (1Hz/mV)  or  1000pF  for  100kHz  FS  (10Hz/mV), 
assuming  R  is  10k£2.  However,  any  convenient  value  can  be 
used  to  set  up  a  special  scaling  relationship.  Linearity  will 
be  degraded  with  values  below  1000pF,  and  100pF  is  the 
minimum  recommended  capacitor  size.  There  is  no  upper 
limit,  but  since  the  voltage  on  the  capacitor  reverses  polar- 
ity every  half-cycle,  non-polarized  types  must  be  employed. 

Good  linearity  requires  the  use  of  a  capacitor  with  low 
dielectric  absorption,  and  stable  operation  over  temperature 
calls  for  a  component  having  a  small  temperature  coefficient. 
NPO  ceramic.  Teflon,  and  polystyrene  capacitors  best  serve 
these  needs.  Mica  and  polycarbonate  dielectrics  are  also 
acceptable,  but  linearity  and  stability  will  be  degraded  with 
most  other  types. 

It  is  desirable  to  mount  the  capacitor  as  close  as  possible 
to  pins  1 1  and  1 2,  to  avoid  the  effects  of  stray  capacitance 
and  pick-up. 

Many  of  the  applications  found  in  these  notes  make  use  of 
the  high  sensitivity  and  low  drift  of  the  input  amplifier. 
Special  care  should  be  exercised  in  returning  the  SIGNAL 


LOW  input  to  the  appropriate  signal  ground  associated  with 
the  source,  which  can  be  at  any  potential  from  -V5  to  4V 
below  +Vg.  The  input  resistance  at  pin  5  is  very  high 
(250MS2  typ.)  so  errors  due  to  non-zero  source  resistance 
will  not  normally  be  encountered.  The  input  bias  current 
UOOnA  typ.)  will  generate  an  offset  voltage  of  100/iV/kfi. 
Where  signals  of  high  source  resistance  are  used  this  offset 
may  be  significant  and  require  the  use  of  the  offset  trim 
adjustment,  which  has  a  range  of  approximately  ±6mV.  The 
input  amplifier  is  designed  so  that  imbalance  between  the 
source  resistance  and  the  scaling  resistance  does  not  cause 
appreciable  drift  after  nulling  has  been  effected  with  this 
adjustment;  however,  it  is  good  practice  to  equalize  these 
resistances  whenever  possible.  The  compensating  resistor 
may  either  be  included  in  series  with  pin  5  (when  Rs<FI 
in  which  case  it  should  be  R  -  Rs)  or  in  series  with  pin  4 
(when  Rs>R  in  which  case  it  should  be  R§  -  R). 

Calibration 

There  are  two  independent  adjustments:  scale  and  offset. 
The  first  is  trimmed  by  adjustment  of  the  scaling  resistor  R 
and  the  second  by  the  (optional)  potentiometer  connected 
to  +VS  and  pins  9  and  10.  Precise  calibration  requires  the 
use  of  an  accurate  voltage  standard  set  to  the  desired  FS 
value  and  a  frequency  meter;  a  scope  is  useful  for  monitoring 
output  waveshape.  Verification  of  linearity  requires  the 
availability  of  a  switchable  voltage  source  (or  a  DAC)  having 
a  linearity  error  below  ±0.005%,  and  the  use  of  long  measure- 
ment intervals  to  minimize  count  uncertainties.  Every 
AD537  is  automatically  tested  for  linearity,  and  it  will  not 
usually  be  necessary  to  perform  this  verification,  which  is 
both  tedious  and  time-consuming. 

Although  drifts  are  small  it  is  good  practice  to  allow  the 
operating  environment  to  attain  stable  temperature,  and  to 
ensure  that  the  supply,  source  and  load  conditions  are  those 
applicable.  Begin  by  setting  the  input  voltage  to  zero.  Adjust 
the  offset  pot  until  the  AD537  just  ceases  to  oscillate;  this 
is  most  easily  seen  using  a  scope  connected  to  the  output 
(pin  14).  For  a  0.01%  error  it  is  permissible  to  adjust  slightly 
above  this  point,  until  the  output  frequency  is  1/10,000  of 
FS  (for  example,  1Hz  for  a  FS  of  10kHz).  Then  apply  the 
FS  input  voltage  and  adjust  R  until  the  desired  FS  frequency 
is  indicated.  In  applications  where  the  FS  input  is  small, 
this  adjustment  will  very  slightly  affect  the  offset  voltage, 
due  to  the  small  input  current  at  pin  4.  A  change  of  1  kii  in 
R  will  affect  the  input  by  approximately  100(/V,  which  is 
as  much  as  0.1%  of  a  100mV  FS  range.  Therefore  it  may  be 
necessary  to  repeat  the  offset  and  scale  adjustments  for  the 
highest  accuracy.  The  design  of  the  input  amplifier  is  such 
that  the  input-voltage  drift  after  offset  nulling  is  typically 
below  ' 


Negative  Input  Voltage 

By  interchanging  the  SIGNAL  HIGH  and  SIGNAL  LOW  in- 
puts the  AD537  can  operate  from  negative  input  voltages, 
as  shown  in  Figure  3.  This  connection  does  not  offer  a 
high  input  resistance,  since  the  control  current  must  now 
be  provided  by  the  source.  Consequently  the  input  resistance 
is  simply  equal  to  the  scaling  resistance,  R,  which  is  chosen 
to  set  up  a  nominal  1mA  at  the  FS  input  voltage.  Note  that 
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Figure  3.  Negative  Input  Operation 

the  FS  voltage  can  now  be  as  large  as  desired,  since  it  is  not 
limited  by  the  input  amplifier  common-mode  range  or  sup- 
ply voltage;  for  example,  a  -100V  FS  input  would  use  a 
scaling  resistor  of  100kfl,  and  the  AD537  could  operate 
from  a  +5V  supply.  If  it  is  desirable  to  reduce  the  loading 
on  the  signal  a  lower  FS  control  current  can  be  used,  with 
some  sacrifice  in  dynamic  range.  For  example,  1MJ2  resistor 
could  be  used  to  convert  the  -100V  input  to  a  100/iA  con- 
trol current;  the  capacitor  would  then  be  reduced  by  a 
factor  of  ten  to  maintain  the  same  FS  frequency.  This  also 
provides  a  very  large  over-range  capacity,  useful  in  handling 
signals  which  may  occasionally  have  large  peak  values. 

Usually  pin  5  will  be  at  ground  potential  (strictly,  at  the 
SIGNAL  LOW  point),  resulting  in  a  current-sum  node  at 
pin  3.  Thus,  any  number  of  signals  may  be  added  before 
conversion,  and  each  source  may  have  any  desired  scaling 
by  appropriate  choice  of  resistor.  It  is  not  necessary  for  pin 
5  to  be  grounded;  offset  scales  can  be  generated  by  setting 
the  voltage  on  this  pin  at  any  value  between  -V$  and 
(+Vs  -  4V).  Diode  D1  and  the  1k£2  resistor  (Figure  3)  are 
added  to  provide  overload  and  latchup  protection. 

The  linearity  in  the  negative-input  mode  is  better  than  for 
positive  inputs,  since  the  degrading  effect  of  finite  common- 
mode  rejection  in  the  input  amplifier  is  removed.  This  also 
allows  the  use  of  the  minimum  supply  voltage,  resulting  in  a 
further  improvement  in  linearity. 

The  design  considerations  and  trimming  procedures  are 
otherwise  the  same  as  for  the  positive-input  mode. 

Negative  Input  Current 

In  some  cases  the  signal  may  be  in  the  form  of  a  negative 
current  source.  This  can  be  handled  in  a  similar  way  to  a 
negative  input  voltage.  However,  the  scaling  resistor  is  no 
longer  required,  eliminating  the  capability  of  trimming  full 
scale  in  this  fashion.  Since  it  will  usually  be  impractical  to 
vary  the  capacitance,  an  alternative  calibration  scheme  is 
needed.  This  is  shown  in  Figure  4.  A  resistor-potentiometer 
connected  from  the  VR  output,  pin  7,  to  -Vs  will  alter  the 
internal  operating  conditions  in  a  predictable  way,  and 
provide  the  necessary  adjustment  range.  With  the  values 
shown,  a  range  of  ±4%  is  available;  a  larger  range  can  be 
attained  by  reducing  R1.  This  technique  does  not  alter  the 
temperature-coefficient  of  the  converter,  and  the  linearity 
will  be  as  for  negative  input  voltages.  The  minimum  supply 
voltage  may  be  used. 

Unless  it  is  required  to  set  the  input  node  at  exactly  ground 
potential,  no  offset  adjustment  is  needed.  The  capacitor  C 
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Figure  4.  Scale  Adjustment  for  Current  Inputs 

is  selected  to  be  5%  below  the  nominal  value;  with  R2  in 
its  mid-position  the  output  frequency  is  given  by 

10.5  xC 

where  f  is  in  kHz,  I  is  in  mA  and  C  is  in  uF.  For  example, 
for  a  FS  frequency  of  10kHz  at  a  FS  input  of  1mA,  C  = 
9500pF.  Calibration  is  effected  by  applying  the  full-scale 
input  and  adjusting  R2  for  the  correct  reading. 

This  alternative  adjustment  scheme  may  also  be  used  when 
it  is  desired  to  present  an  exact  input  resistance  in  the  neg- 
ative-voltage mode.  The  scaling  relationship  is  then 


f  = 


1 


The  calibration  procedure  is  then  similar  to  that  used  for 
positive  input  voltages,  except  that  the  scale  adjustment  is 
by  means  of  R2. 

Output  Interfacing 

The  AD537  logic  output  is  designed  to  interface  with  all 
digital  logic  families,  LED's  (for  optical  coupling),  pulse 
transformers,  and  long  lines.  The  open  collector  (pin  14) 
and  the  emitter  (pin  1)  of  the  output  stage  NPN  trans- 
istor are  both  available  for  use;  the  emitter  can  be  tied  to 
any  potential  from  (+Vg  -  4V)  down  to  -Vs  and  the  col- 
lector can  be  pulled  up  to  any  voltage  up  to  36V  above  the 
emitter  regardless  of  the  +Vs  to  pin  13. 

Figure  5  shows  the  AD537  connected  for  a  0  to  +10V  input 
with  general  output  interfacing.  The  required  logic  common 
voltage,  logic  supply  voltage,  pull-up  resistor  and -Vs  supply 
are  shown  in  the  accompanying  table.  In  the  TTL  mode,  up 
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to  12  standard  gates  (20mA)  can  be  driven  at  a  maximum 
LOW  voltage  of  0.4V. 

The  output  stage  is  current-limited  and  can  be  shorted 
indefinitely  to  pin  1  (normally  ground).  When  shorted  to 
+V$  the  current  in  the  ON  state  is  approximately  35mA, 
and  under  most  conditions  this  will  not  result  in  damage. 
For  example,  with  pin  1  at  ground  and  pin  14  shorted  to 
+15V,  and  the  oscillator  running,  the  average  power  in  the 
output  stage  is  262. 5mW  (15  x  35/2).  However,  if  high  sup- 
ply voltages  are  used  and  the  output  stage  is  in  the  ON  state 
for  long  periods  (low  input  levels),  the  peak  dissipation  of 
1260mW  (36  x  35)  will  cause  considerable  heating,  and  it  is 
recommended  to  avoid  this  situation  for  prolonged  periods. 

Signal  Isolation 

It  will  often  be  necessary  to  couple  the  frequency  output  of 
the  AD537  to  a  system  at  a  different  dc  level.  Where  the 
voltage  difference  is  fixed,  or  varying  relatively  slowly,  ca- 
pacitive  coupling  can  be  used.  Usually,  the  purpose  of  the 
isolation  scheme  is  to  reject  large  amounts  of  common-mode 
voltage  up  to  high  frequencies,  in  which  case  optical  or 
transformer  coupling  should  be  used.  These  also  provide  a 
higher  degree  of  isolation  safety.  Examples  are  found 
elsewhere  in  these  notes. 

True  Two-Wire  Data  Transmission 

Figure  6  shows  a  useful  technique  for  operating  an  AD537 
at  the  remote  end  of  a  single  wire  pair,  which  serves  to  supply 
power  to  the  circuit  and  to  transmit  the  frequency-encoded 
signal  back  to  a  central  point.  The  PNP  circuit  at  the  re- 
ceiving end  of  the  line  converts  the  current  modulation  im- 
posed by  the  output  of  the  AD537  back  into  a  voltage  sig- 
nal suitable  for  driving  digital  logic;  in  the  example  shown 
the  supply  current  down  the  line  is  as  follows: 
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Figure  6.  True  Two-Wire  Operation 

The  PNP  circuit  is  designed  so  that  the  transistor  is  not 
appreciably  turned  on  by  the  supply  current  to  the  AD537 
in  the  "OFF"  state;  a  large  ratio  of  currents  between  FS/ 
OFF  and  ZERO/ON  ensures  reliable  operation.  Where  power 
considerations  are  of  paramount  importance  a  smaller  value 
of  FS  control  current  can  be  employed  and  a  more  efficient 
means  of  detecting  the  modulation  current  would  allow  the 
use  of  a  larger  RL.  Approximately  500mV  of  variation 
appears  on  the  remote  end  of  the  supply  line;  this  does  not 


affect  operation  of  the  AD537,  due  to  its  good  supply-rejec- 
tion ratio. 

A  useful  feature  of  the  AD537  in  this  application  is  the  pro- 
vision of  a  stable  1 .00V  reference  output  at  the  remote  loca- 
tion, making  it  possible  to  drive  various  transducers  requiring 
a  stable  supply.  An  example  might  be  the  conversion  of 
linear  position  using  a  resistive-element  transducer;  other 
examples  will  be  found  later  in  these  notes,  includingtemper- 
ature  measurement  using  the  output  at  pin  6. 

Signal  Multiplexing 

Where  a  variety  of  transducers,  each  of  different  type  and 
sensitivity,  and  possibly  other  signal  sources,  are  required  to 
interface  with  a  common  data-acquisition  system,  one  solu- 
tion is  the  use  of  separate  instrumentation  amplifiers  for 
each  channel,  driving  an  analog  multiplexer  which  finally 
drives  a  V-F  converter.  The  versatility  of  the  AD537  allows 
it  to  operate  directly  from  almost  any  signal  source  com- 
monly encountered,  and  a  more  economic  solution  in  some 
cases  can  result  by  using  one  V-F  per  channel  and  multi- 
plexing their  output  digitally. 

The  open-collector  feature  of  the  AD537  makes  this  easy  to 
implement.  One  method  is  shown  in  Figure  7;  all  V-F  cir- 
cuits are  operating  continuously,  but  only  the  device  having 
its  LOGIC  COMMON  pin  grounded,  through  the  open- 
collector  decoder  or  other  digital  switching  element,  trans- 
mits its  output.  An  alternative  method  uses  the  SYNC  input 
(pin  2).  In  this  method,  all  V-F's  have  pin  1  grounded,  and 
all  but  one  have  pin  2  shorted  to  +Vs  (using  a  PNP  transistor) 
which  stops  the  oscillator  circuit  in  these  AD537's.  This 
method  has  the  advantage  of  reducing  the  risk  of  cross- 
talk between  converters,  but  is  less  convenient  to  implement. 


Figure  7.  Signal  Multiplexing 
Two-Phase  Output 

Using  two  load  resistors,  one  from  the  positive  logic  supply 
to  pin  14  (output)  and  one  from  the  negative  logic  supply 
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to  pin  1  (supply  ground),  a  two-phase  output  can  be  pro- 
vided. Assuming  equal  resistors,  and  a  typical  situation 
where  +5V  and  ground  are  used  as  logic  supplies,  the  out- 
put at  pin  14  is  a  square-wave  from  about  +2.6V  to  +5V, 
and  that  at  pin  1  goes  from  ground  to  about  +2.4V  and  has 
the  opposite  phase.  Unequal  resistors  can  of  course  be  used 
to  alter  the  amplitude  ratio  of  the  two  outputs. 

Temperature  Stability 

The  stability  of  the  output  frequency  is  determined  by 
several  factors.  Broadly  speaking,  they  can  be  grouped  into 
offset  drift  and  scale  drift.  The  design  of  the  AD537  is  such 
that  input  offset  drift  is  very  small— in  the  1uV/  C  region— 
and  unless  the  circuit  is  connected  for  operation  from  very 
low  signal  levels,  this  will  rarely  be  a  significant  source  of 
instability.  Scaling  drifts  arise  both  in  the  AD537  itself — 
less  than  ±50ppm/°C  for  the  AD537K-and  in  the  external 
timing  resistor  and  capacitor  which  must  be  of  adequate 
quality  for  the  application.  In  practice,  it  will  be  these 
external  components  which  most  seriously  degrade  stability 
over  temperature;  for  most  applications  metal-film  resistors 
are  recommended. 

Operation  with  Non-Zero  TC 

The  drift  induced  by  the  external  components  can  be 
corrected  by  introducing  a  deliberate  drift  of  the  opposite 
sign  into  the  AD537.  For  example,  if  a  particular  resistor 
and  capacitor  cause  the  AD537  to  exhibit  an  output  fre- 
quency drift  of  150ppm/°C,  this  drift  can  be  corrected 
by  connecting  an  8.3k£2  resistor  between  the  1mV/°K 
output  (pin  6)  and  -Vs  (pin  8).  Other  values,  giving  TC's 
of  +20  to  +350ppm/°  C,  can  be  found  using  the  graph 
(Figure  8).  Over  this  range  the  scaling  factor  is  only  slightly 
affected;  the  error  is  about  +0.03%  per  ppm/°C.  In  the 
example  the  output  frequency  would  be  nominally  4.5% 
high,  and  this  error  can  be  allowed  for  when  choosing 
the  scaling  resistor.  It  should  be  noted  that  this  option  also 
impairs  the  temperature-stability  of  the  +1V  output  (pin  7). 
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Figure  8.  TC  Versus  R6 


plication  of  an  IC  involves  a  good  understanding  of  possible 
pitfalls  and  the  use  of  suitable  precautions. 

Input  Protection 

Pins  3,  4  and  5  should  not  be  driven  more  than  300mV 
below  -Vs.  This  would  cause  internal  junctions  to  conduct, 
possibly  damaging  the  IC.  The  AD537  can  be  protected 
from  "below  -Vs"  inputs  by  a  resistor,  R1  and  a  diode,  D1 
as  shown  in  Figure  3.  It  is  also  desirable  not  to  drive  pins  3, 
4  and  5  above  +Vs.  In  operation,  the  converter  will  become 
very  nonlinear  for  inputs  above  (+VS  -3.5V).  Control  cur- 
rents above  2mA  will  also  cause  nonlinearity. 
The  80dB  dynamic  range  of  the  AD537  guarantees  opera- 
tion from  a  control  current  of  1mA  (nominal  FS)  down  to 
lOOnA  (equivalent  to  1mV  for  10V  FS).  Below  100nA 
improper  operation  of  the  oscillator  may  result,  causing  a 
false  indication  of  input  amplitude.  In  many  cases  this 
might  be  due  to  short-lived  noise  spikes  which  become 
added  to  the  input.  For  example,  when  scaled  to  accept  a 
FS  input  of  1 V,  the  -80dB  level  is  only  100uV,  so  when  the 
mean  input  is  only  50dB  below  FS  (1mV),  noise  spikes  of 
0.9mV  are  sufficient  to  cause  momentary  malfunction. 

The  problem  can  be  minimized  by  using  a  simple  low-pass 
filter  ahead  of  the  converter.  For  a  FS  of  10kHz  a  single- 
pole  filter  with  a  time-constant  of  100ms  will  be  suitable, 
but  the  optimum  configuration  will  depend  on  the  applica- 
tion and  type  of  signal  processing.  Noise  spikes  are  only 
likely  to  be  a  cause  of  error  when  the  input  current  remains 
near  its  minimum  value  for  long  periods  of  time;  above 
100nA  (1mV)  full  integration  of  additive  input  noise  occurs. 

The  AD537  is  somewhat  susceptible  to  interference  from 
other  signals.  The  most  sensitive  nodes  (besides  the  inputs) 
are  the  capacitor  terminals  and  the  SYNC  pin.  The  timing 
capacitor  should  be  located  as  close  as  possible  to  the 
AD537  to  minimize  signal  pickup  in  the  leads.  In  some 
cases,  guard  rings  or  shielding  may  be  required.  The  SYNC 
pin  should  be  decoupled  through  a  0.005uF  (or  larger) 
capacitor  to  pin  13  (+Vs).  This  minimizes  the  probability 
that  the  AD537  will  attempt  to  synchronize  to  a  spurious 
signal.  This  precaution  is  unnecessary  on  the  metal  can 
s  the  SYNC  function  is  not  available. 


Some  Precautions 

The  AD537  is  intended  to  be  used  with  a  minimum  of 
additional  hardware,  and  the  circuits  shown  in  these  notes 
are  for  the  most  part  complete.  However,  the  successful  ap- 


Decoupling 

It  is  good  engineering  practice  to  use  bypass  capacitors  on 
the  supply-voltage  pins  and  to  insert  small-valued  resistors 
(10  to  100J2)  in  the  supply  lines  to  provide  a  measure  of 
decoupling  between  the  various  circuits  in  a  system.  Ceramic 
capacitors  of  0.1juF  to  1.0uF  are  recommended  for  the 
AD537. 

A  decoupling  capacitor  may  also  be  useful  from  pin  2  to 
pin  13  in  those  applications  where  very  low  cycle-to-cycle 
period  variation  (jitter)  is  demanded.  The  explanation  is  as 
follows:  the  voltage  generated  by  the  bandgap  circuit  is 
somewhat  noisy,  and  this  causes  a  jitter  ratio  of  about  one 
in  5000  (for  example,  a  period  uncertainty  of  200ns  at 
1kHz).  By  placing  a  capacitor  across  pins  2  and  13  this 
noise  is  reduced.  On  the  10kHz  FS  range,  a  6.8uF  capacitor 
reduces  the  jitter  to  one  in  20,000  adequate  for  most  appli- 
cations. A  tantalum  capacitor  should  be  used  to  avoid  errors 
duetodc  leakage. 
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Ill    INSTRUMENTATION  APPLICATIONS 
Analog-to-Digital  Conversion 

A  voltage-to-frequency  converter  is  very  useful  as  part 
of  an  analog-to-digital  conversion  scheme  in  many  applica- 
tions, for  the  following  reasons.  First,  unlike  converters 
based  on  binary-weighted  networks,  monotonicity  is 
inherent  under  all  supply  and  temperature  conditions.  A 
V-F  with  a  nonlinearity  of  ±0.01%  is  thus  roughly  compa- 
rable to  a  12-bit  A-D  with  a  worst-case  differential  linearity 
of  ±1/2  Bit.  Second,  the  fact  that  the  signal  is  converted  to 
a  serial  bit  stream  allows  the  simple  analog  part  (the  V-F)  to 
be  located  close  to  the  signal  source,  and  the  digital  part 
(counter,  timing  gate,  display)  to  be  located  centrally.  As 
previously  mentioned,  many  AD537's  can  be  multiplexed 
on  to  a  single  transmission  path,  and  share  a  single  digital 
system.  Finally,  since  the  digital  number  is  accumulated 
over  a  large  number  of  cycles,  integration  of  unwanted  sig- 
nals is  inherent.  In  fact,  the  integration  period  is  fixed  by 
the  gating  interval,  so  that  even  for  small  inputs,  when 
there  may  be  only  a  few  cycles  to  count,  the  same  amount 
of  signal  integration  is  applied.  Such  a  converter  behaves 
as  a  filter  with  attenuation  vs.  frequency  of 


GM  = 


1/cjT 
sin  (1/o)T) 


where  a>  is  the  angular  frequency  of  the  interfering  signal 
and  T  is  the  digital  gating  time.  Of  course,  the  need  to  use 
a  long  gating  interval  is  a  basic  limitation  of  all  integrating 
A-D  converters. 

Figure  9  shows  a  typical  scheme  which  delivers  a  12-bit 
buffered  output  word  and  depends  for  its  timing  on  an 
externally  supplied  clock.  The  small  amount  of  logic  re- 
quired performs  the  reset-counter  and  load-latches  functions 
automatically.  No  further  control  signals  are  necessary. 
Obviously,  the  clock  can  be  generated  by  another  AD537 
if  ratiometric  measurements  are  to  be  made. 
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Figure  9.  12-Bit  Analog-  To-Digital  Conversion 


Accuracy 

The  absolute  accuracy  of  an  A-D  converter  using  the  AD537 
will  be  much  poorer  than  the  linearity,  since  it  is  not  funda- 
mentally free  from  scaling  drift.  The  scaling  is  a  function  of 
the  internal  reference  voltage,  the  timing  capacitor,  the 
adjusted  scaling  resistor  and  the  clock  frequency,  all  of 
which  are  uncorrelated  quantities  subject  to  temperature- 
and  supply-induced  errors.  An  overall  temperature  stability 
of  about  ±100ppm/°C  can  be  achieved  in  practice,  compara- 
ble to  that  found  in  low-cost  panel-meter  DVM's. 

Resolution 

The  resolution  is  determined  primarily  by  the  quantization 
imposed  by  the  counting  process,  but  there  will  also  be  a 
±1  count  uncertainty  which  can  be  troublesome  for  small 
inputs.  This  can  be  alleviated  by  adding  several  stages  to 
the  counter  ahead  of  the  first  used  stage,  so  that  gating 
uncertainties  are  less  apparent.  Of  course,  to  maintain  the 
same  scale,  the  V-F  converter  must  operate  at  a  higher 
frequency,  and  the  trade-off  in  linearity  may  detract  from 
the  improvement  in  resolution. 

Dynamic  Range 

The  AD537  has  a  guaranteed  dynamic  range  of  10,000:1, 
which  is  commensurate  with  a  13-bit  quantization.  In  the 
example  shown  in  Figure  9  the  full-scale  input  of  +1V 
generates  a  binary  output  of  111111111111  (decimal 
4095)  and  the  first  bit  occurs  for  an  input  of  244/liV.  To 
fully  utilize  this  dynamic  range  it  is  necessary  to  null  the 
input  amplifier  as  described  earlier  under  Basic  Operating 
Modes. 

Signal  Isolation 

V-F  converters  are  useful  for  conveying  signals  between 
systems  at  greatly  different  potentials  (for  example,  from 
the  cathode  of  an  electron  microscope  operating  at  several 
hundred  kilovolts  below  ground)  or  for  providing  high- 
integrity  isolation  in  equipment  where  ground  currents 
would  be  hazardous  (such  as  in  medical  instrumentation). 
Excellent  special-purpose  products  are  available  for  these 
requirements,  usually  in  modular  form,  but  in  some  cases 
the  AD537  may  offer  an  attractive  alternative  due  to  its  low 
cost,  low  power  consumption,  high  sensitivity  and  small 
size.  Two  basic  points  arise  in  these  applications:  first,  the 
choice  of  the  transmission  medium;  second,  the  provision 
of  an  isolated  power  supply. 

Coupling  Devices 

The  two  most  popular  transmission  mediums  are  magnetic 
and  optical;  a  third  choice,  that  of  acoustical  coupling,  is 
applicable  in  some  cases.  Capacitive  coupling  is  another 
possibility,  although  in  many  cases  the  large  voltage  be- 
tween sending  and  receiving  points,  often  accompanied  by 
ripple  and  noise,  excludes  this  approach.  For  illustrative 
purposes,  a  typical  optically-isolated  scheme  is  shown  in  I 
Figure  10.  To  conserve  power,  the  LED  is  driven  at  the  rela-  I 
tively  low  level  of  8mA,  and  one  stage  of  gain  is  added  on 
the  receiving  side.  This  circuit  can  operate  at  any  frequency 
within  the  AD537  bandwidth  and  drive  at  least  six  standard 
TTL  loads. 

Isolated  Power  Supply 

An  ordinary  50/60Hz  transformer-rectifier  circuit  can  be 
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Figure  10.  Typical  Optical-Coupling  Scheme 

used  to  provide  the  floating  voltage  for  the  V-F  converter. 
For  high-voltage  isolation,  a  toroidal  transformer  with  an 
insulating  bobbin  should  be  used  for  the  secondary.  Alter- 
natively, a  dc-dc  converter  can  be  employed.  However,  in 
this  case  special  care  should  be  taken  to  ensure  that  all 
switching  spikes  from  the  dc-dc  converter  are  completely 
filtered  from  the  V-F  circuit  to  prevent  unwanted  synchro- 
nization. Very  little  supply  regulation  is  required;  note  that 
the  current  drain  is  nearly  independent  of  frequency, 
simplifying  the  power-supply  design. 

Fiber-Optic  Receiver 

The  output  of  a  V-F  converter  is  often  transmitted  over  an 
optical-fiber  cable  for  considerable  distances,  and  detected 
by  a  photodiode  at  the  receiving  end.  The  photocurrents 
are  usually  small,  and  a  preamplifier  is  necessary.  Figure  11 
shows  a  suitable  circuit,  having  sufficient  bandwidth  to 
accept  optical  inputs  up  to  20kHz. 


Figure  11.  Photodiode  Preamplifier 
Handling  Bipolar  Inputs 

The  AD537  can  handle  signals  of  either  polarity  as  has 
already  been  shown.  Occasionally  it  is  necessary  to  perform 
V-F  conversion  on  a  signal  whose  polarity  is  indeterminate. 
This  can  be  achieved  either  by  offset  operation  or  by  the 
use  of  an  absolute-value  circuit;  both  techniques  will  be 
described.  Of  course,  the  single-supply  feature  cannot  be 
used  in  these  circumstances.  However,  when  the  input  is  an 
alternating  signal  and  it  is  only  necessary  to  measure  the 
average  value,  the  AD537  can  automatically  perform  pre- 
cise half-wave  rectification  and  operate  from  a  single  supply. 

Offset  Operation 

By  simply  returning  the  timing  resistor  to  a  negative  voltage 
(rather  than  ground),  the  V-F  converter  can  accept  negative 
and  positive  input  signals,  and  generate  a  frequency 
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using  the  -15V  supply  as  the  offset  source.  To  calibrate 
this  circuit,  first  set  the  input  to  zero  and  adjust  R1  for  an 
output  frequency  of  10kHz.  Then  apply  an  input  of +10V 
and  adjust  R2  for  an  output  of  18kHz.  This  circuit  has  the 
advantage  of  retaining  the  high  input  resistance  feature  of 
the  AD537.  A  disadvantage  of  this  scheme  is  that  the  center- 
scale  frequency  is  totally  dependent  on  the  -15V  supply. 
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Figure  12a.  Of f set  Operation,  ±1 OV  FS 

A  better  arrangement  is  to  make  use  of  a  stable  reference 
element  such  as  the  AD589,  as  shown  in  Figure  12b.  For 
the  purpose  of  illustration  a  ±0.5V  input  range  is  shown. 
Calibration  once  again  proceeds  by  first  adjusting  the  zero- 
input  frequency  using  R1  and  then  the  +FS  input  using  R2. 
Scaling  for  other  operating  conditions  is  straightforward. 
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Figure  12b.  Offset  Operation,  +0.5V  FS,  Using  AD589 
Using  Absolute-Value  Circuit 

In  some  cases  the  relatively  large  "zero-error"  associated 
with  offset  operation  may  be  troublesome.  Also,  the  frequen- 
cy data  is  inconveniently  formatted  if  it  is  to  be  used  for 
digital  display.  These  problems  are  overcome  by  using  an 
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absolute-value  (precision  full-wave  rectifier)  circuit  ahead 
of  the  converter,  with  the  bonus  of  effectively  doubling  the 
range  of  linear  operation.  By  utilizing  the  high  input  re- 
sistance of  the  AD537  a  very  simple  absolute-value  circuit 
is  possible  (Figure  13).  The  circuit  shown  is  scaled  for  an 
input  of  ±10V  full-scale,  but  any  voltage  can  be  handled 
with  appropriate  change  of  scaling  resistor.  Similarly  the 
full-scale  frequency  can  be  tailored  to  the  application  by 
changing  the  timing  capacitor. 


Vlocic 


MATCHED 


Figure  13.  Bipolar  Interface  Using  Absolute-Value  Circuit 

For  positive  inputs  the  op-amp  is  effectively  disconnected 
since  its  output  goes  low  and  cuts  off  D2,  and  the  signal  is 
connected  without  attenuation  or  inversion  to  the  input  of 
the  AD537  via  20ki2.  For  negative  inputs  the  op-amp 
output  becomes  positive  and  turns  on  D2  via  the  low-voltage 
zener  D1,  whose  purpose  is  to  ensure  proper  operation  of 
the  polarity  detector.  The  input  is  thus  inverted,  so  once 
again  the  AD537  receives  a  positive  input.  The  output  of 
Q1  is  low  for  negative  inputs,  and  it  can  be  used  to  indicate 
signal  polarity.  (In  a  two-wire  system  such  as  described  in 
Section  II  this  information  can  be  conveyed  as  a  further 
modulation  of  the  supply  current,  for  example.) 

For  operation  from  a  single  supply  an  op-amp  type  such 
as  the  LM324  can  be  used.  A  dynamic  latching  condition 
can  occur  with  this  amplifier  if  the  input  switches  abruptly. 
This  is  prevented  by  the  addition  of  R1  and  CI.  These  com- 
ponents can  be  omitted  if  the  input  is  slowly-varying  or  if  a 
standard  op-amp  type  is  used.  The  speed  of  this  absolute 
value  circuit  is  such  that  the  input  to  the  AD537  is  "oscil- 
loscope clean"  for  a  20V  pk-pk  sinewave  or  triwave  input 
up  to  at  least  2kHz.  One  caution  to  be  noted  is  that  the  in- 
put resistance  is  unequal  for  positive  and  negative  inputs, 
requiring  either  that  the  source  resistance  be  very  low  (less 
than  10X2  for  a  0.1%  reversal  error)  or  constant  (in  which 
case  the  error  can  be  absorbed  by  subtracting  this  source 
resistance  from  R2.  Full  calibration  requires  the  elimination 
of  the  op-amp  offset  by  adjustment  of  R8.  For  most  appli- 
cations this  can  be  achieved  by  simply  grounding  the  input 
and  observing  the  polarity  output.  Better  accuracy  can  be 
achieved  using  a  DVM  to  null  the  input  to  the  AD537.  After 
this  step,  calibration  proceeds  as  for  unipolar  operation, 
except  for  the  need  to  check  the  reversal  error  due  to  R2/ 
R3  imbalance. 
Measuring  AC  Signals 

The  AD537  only  responds  to  inputs  which  cause  pin  5  to 


be  more  positive  than  pin  4.  For  opposite-polarity  inputs, 
no  timing  currents  are  generated.  Thus,  the  device  is  inher- 
ently a  half-wave  rectifier  with  a  very  sharp  "knee".  This 
characteristic  can  be  used  to  perform  V-F  conversion  on  an 
ac  input  signals  without  recourse  to  any  further  external 
parts.  Filtering  is  automatically  achieved  by  the  integrating 
action  of  the  timing  capacitor  for  input  frequencies  above 
the  instantaneous  operating  frequency.  Of  course,  if  the  in- 
put has  a  period  less  than  that  of  the  oscillator  frequency 
the  output  will  be  frequency-modulated,  although  in  many 
cases  further  integration  will  be  provided  by  the  counters 
which  often  are  used  to  measure  the  frequency.  Examples 
of  this  mode  of  operation  are  given  in  Section  V. 

Transducer  Interface 

The  AD537  was  specifically  designed  to  accept  a  broad  range 
of  input  signals,  particularly  small  voltage  signals,  which 
may  be  converted  directly  unlike  many  V-F  converters  which 
require  signal  pre-conditioning.  The  1.00V  stable  reference 
output  is  also  useful  in  interfacing  situations,  and  the  high 
input  resistance  allows  non-loading  interfacing  from  a  source 
of  varying  resistance,  such  as  the  slider  of  a  potentiometer. 
Some  examples  of  transducer  interfacing  are  provided  by 
way  of  suggestion;  many  others  will  be  obvious. 

Thermocouple  Input 

The  output  of  a  Chromel-Constantan  (Type  E)  thermo- 
couple, using  a  reference  junction  at  0  C,  varies  from  0  to 
53.14mV  over  the  temperature  range  0  to  +700°C  with  a 
slope  of  80.678/LiV/degree  over  most  of  its  range  and  some 
nonlinearity  over  the  range  0  to  +200°C.  For  this  example, 
we  assume  that  it  is  desired  to  indicate  temperature  in 
Degrees  Celsius  using  a  counter/display  with  a  100ms  gate 
width.  Thus,  the  V-F  converter  must  deliver  an  output  of 
7kHz  for  an  input  of  53.14mV.  If  very  precise  operation 
down  to  0°C  is  imperative,  some  sort  of  linearizing  is 
necessary  (see,  for  example.  Analog  Devices,  Nonlinear 
Circuits  Handbook,  pp92-97)  but  in  many  cases  operation 
is  only  needed  over  part  of  the  range. 

The  circuit  shown  in  Figure  14  provides  good  accuracy  from 
+300°C  to  +700°C.  The  extrapolation  of  the  temperature- 
voltage  curve  back  to  0°C  shows  that  an  offset  of  -3.34mV 
is  required  to  fit  the  curve  most  exactly.  This  small  amount 
of  voltage  can  be  introduced  without  an  additional  calibra- 
tion step  using  the  +1.00V  output  of  the  AD537.  To  adjust 
the  scale  the  thermocouple  should  be  raised  to  a  known 
reference  temperature  near  500°C  and  the  frequency  ad- 


Figure  14.  Thermocouple  Interface  with  First-Order 
Linearization 
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Strain-Gauge  Input 

Depending  on  the  application,  the  output  of  a  strain-gauge 
consisting  of  a  bridge  of  four  resistors  may  be  either  uni- 
polar or  bipolar,  linear  or  nonlinear.  Thus,  only  an  illustra- 
tive example  can  be  given  here.  In  all  cases,  the  bridge 
requires  excitation,  and  we  here  assume  dc  excitation  using 
the  1.00V  reference  output  buffered  by  an  external  op-amp 
(Figure  15).  In  this  way,  the  calibration  is  not  only  inde- 
pendent of  the  supply  voltage,  but  also  very  stable  over 
temperature,  since  the  same  reference  voltage  (even  though 
having  a  finite  TC)  is  also  used  as  the  reference  for  the 
V-F  section  of  the  AD537. 


Figure  15.  Typical  Strain-Gauge  Connections 

This  example  assumes  that  the  strain  is  always  of  the  same 
polarity  (unipolar  operation)  and  that  a  balanced-force 
(linear)  system  is  used.  The  timing  resistor  is  returned  to 
one  side  of  the  bridge,  both  to  double  the  sensitivity  and 
effect  offset  operation.  This  connection  is  capable  of  intro- 
ducing a  nonlinear  error  term,  and  we  wish  to  determine  its 
magnitude.  Referring  to  Figure  16  it  is  evident  that  the  cur- 
rent in  the  timing  resistor  (to  which  the  frequency  is 
proportional)  is  given  by 


I 

R  +  r 

This  can  be  re-written 


(1  -<*2) 
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"    R(l+JL)l      2R  ) 

for  typical  small  values  of  a,  and  this  expression  clearly 
reveals  that  a  cubic  error  term  results  from  this  connection. 


In  practice  this  error  is  tolerable.  For  example,  for  R>5r 
and  a  <  0.1  the  error  is  less  than  +0.1%  absolute;  if  the 
system  is  calibrated  at  full-scale  strain,  this  error  is  reduced 
to  approximately  +0.025%  peak. 
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Figure  16.  Circuit  for  Analysis  of  Nonlinearity 
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The  circuit  of  Figure  15  is  calibrated  to  generate  a  scale  of 
1Hz  per  microstrain  (100kHz  at  the  assumed  FS  value  of 
a  =  0.1).  Single  supply  operation  allows  this  circuit  to  be 
located  at  the  far  end  of  a  two-wire  line,  as  previously 
discussed. 

Position  Transducers 

Linear  displacement  transducers,  rotary  servopots,  many 
kinds  of  level  transmitters,  light-comparators  using  photo- 
resistors,  etc.  are  readily  interfaced  with  the  AD537.  In 
many  cases  it  will  be  possible  to  use  the  reference  output 
to  power  the  transducer  for  greater  accuracy  and  stability 
of  scale.  For  track  resistances  down  to  3kS2  this  may  be 
connected  directly,  as  shown  in  Figure  17;  however,  the 
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Figure  17.  Resistive  Transducer  Interfacing 

loading  effects  must  be  considered.  First,  the  finite  output 
resistance  of  the  reference  source  (about  380J2)  causes  the 
voltage  across  the  track  to  be  less  than  1.00V,  thus  reducing 
the  output  frequency.  Second,  the  track  current  flowing  in 
pin  7  causes  the  voltage  across  the  timing  capacitor  to  be 
increased.  This  also  decreases  the  frequency  (by  as  much 
as  50%  for  a  resistance  of  3k£2).  The  effect  is  quite  predict- 
able, and  a  scaling  correction  factor,  K,  can  be  applied;  this 
is  plotted  in  Figure  18.  Alternately,  a  buffer  amplifier  can 
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Figure  18.  K-Factor  Versus  Track  Resistance 

be  used,  as  for  the  strain-gauge  driver  shown  in  Figure  15, 
in  which  case  no  loading  correction  is  necessary  and  much 
lower  track  resistances  (down  to  about  100J2)  can  be  used. 

Higher  track  resistances  can  also  be  used,  up  to  at  least 
100kfi.  Above  this  value  the  parabolic  error  caused  by  the 
input  bias  current  (about  100nA)  at  pin  5  may  become 
troublesome.  For  example,  at  mid-position  of  a  100kS7 
track,  the  error  voltage  is  +2.5mV,  or +0.25%  of  the  1V  full- 


scale  signal.  This  problem  is  mitigated  by  using  a  larger 
excitation  voltage  or  by  including  a  low-bias  op-amp  buffer. 
This  general  configuration  may  also  be  used  as  a  manually- 
adjustable  clock  generator  needing  a  minimum  number  of 
components,  having  a  wide  frequency  range  with  very 
linear  control,  and  capable  of  operating  from  a  TTL  or 
CMOS  supply  rail. 

Inverse-law  operation  may  sometimes  be  desirable;  that  is, 
linear  motion  of  the  slider  should  result  in  linear  control 
of  the  period  rather  than  the  frequency  of  the  output.  Fig- 
ure 19  shows  how  this  may  be  accomplished  with  good 
accuracy  even  when  there  is  contact  resistance  to  the  slider. 
With  the  values  shown,  a  range  of  100:1  is  provided,  but 
the  circuit  is  easily  re-configured  for  other  conditions. 


Figure  19.  Linear  Period  Control 
Photodiode  Input 

Some  transducers,  such  as  photodiodes  and  phototransistors, 
generate  a  current  output  and  require  an  operating  bias  of  a 
few  hundred  millivolts.  Once  again,  the  AD537  can  provide 
the  necessary  interface  conditions,  as  shown  in  Figure  20. 
The  scaling  accuracy  will  depend  primarily  on  the  stability 
of  the  phototransducer.  It  may  be  unnecessary  to  include 
provisions  for  scale  adjustment;  where  justified,  the  scheme 
previously  outlined  for  current-input  operation  is  used  as 
shown.  Using  a  photodiode,  the  current  will  generally  be 
small  and  direct  interfacing  may  be  impractical.  A  photo- 
resistive (e.g.  cadmium  sulphide)  cell  may  also  be  used. 
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Figure  20.  Phototrans/stor  Interfacing 
4-20mA  Loop  Operation 

Various  ways  are  available  for  converting  instrumentation 
signals  in  the  4-20mA  format  to  a  frequency  format.  The 
choice  will  depend  on  whether  the  circuit  is  to  be  self- 
powered  or  powered  directly  from  the  current  loop,  and 

i  or  not. 


Externally-Powered 

The  method  for  converting  the  current-mode  signal  to  a 
suitable  voltage  signal  is  trivial  when  no  offset  is  needed  and 
an  external  supply  can  be  used.  A  somewhat  more  inter- 
esting problem  is  to  provide  offset  in  such  a  way  that  the 
output  frequency  is  zero  for  a  current  input  of  4mA.  Figure 
21  shows  a  suitable  scheme,  which  makes  use  of  the  input 
amplifier  sense  terminal  (pin  4)  to  introduce  the  offset. 


Figure  21.  Offset  Conversion  of  4-20mA  Signal 

To  understand  the  operation  of  this  scheme,  it  should  be 
noted  that  the  offset  voltage  referred  to  the  input  is 


Eo  =  ER 


R2  +  R3 
R1  +  R2  +  R3 


The  current  in  the  timing  resistor  for  values  of  E|N  above 
the  offset  is  given  by 


R1 +R2+R3 
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R1 


R2  +  R3 
R1 


Since  the  input  is  first  converted  to  a  voltage  of  0.2  to  1.0V 
by  the  50J2  load,  an  offset  of  0.2V  is  required.  For  a  nomi- 
nal value  of  1.0V  for  ER  this  determines  the  ratio  (R2  + 
R3)/(R1  +  R2  +  R3)  =  0.2.  The  timing  current,  I,  can  be 
written 

,        1       R1  +  R2  +  R3    ,c       c  . 
"  R3   <EIN-E0) 


R1 


and  for  E|N  -  Eq  -  0.8V  at  full-scale,  we  need 


1mA 


R1  +R2  +  R3 
 RTR3  


0.8V 


for  a  1mA  full-scale  current.  This  is  only  two  equations, 
but  there  are  three  unknowns.  A  third  requirement  is  that 
the  loading  on  the  reference  output  be  light,  20/jA  for 
example.  This  determines  the  value  of  (R1  +  R2  +  R3)  to 
be  50kS2. 

With  these  constraints,  the  resistor  values  can  be  calculated 
as  shown.  Note,  however,  that  adjustment  of  offset  and  scale 
are  unavoidably  interactive,  and  the  calibration  procedure 
must  be  iterative. 

Self-Powered  Scheme 

An  interesting  applications  challenge  is  to  find  a  way  to  use 
the  signal  current  to  also  power  the  AD537.  This  is  possible 
because  the  minimum  value  of  4mA  is  always  greater  than 
the  quiescent  current  requirement  of  the  IC.  Even  greater 
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utility  results  if  the  circuit  can  be  optically  coupled  out, 
H2rSmce  ffie'currehYintrVe  fatter"  is  exactly  proportional  to 
the  load  current  in  R3,  linearity  is  preserved;  even  though 
the  current  gets  used  in  a  variety  of  ways  by  the  rest  of 
the  circuit.  The  supply  voltage  is  provided  by  the  5.6V 
zener  diode,  which  together  with  the  IV  full-scale  voltage 
across  R3  adds  up  to  a  worst-case  compliance  of  7V. 
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Figure  22.  Isolated  4-20mA  Converter 

Each  cycle  the  capacitor  C2  is  discharged  through  the  LED 
at  the  peak  current  of  approximately  25mA,  internally 
limited  in  the  AD537.  The  value  of  C2  is  chosen  to  produce 
an  optical  pulse  of  about  l£is  duration.  The  final  diode  cur- 
rent is  limited  to  about  2mA  by  R4,  calculated  to  ensure 
that  even  when  the  signal  current  is  at  its  minimum  value  of 
4mA  there  is  at  least  0.5mA  in  the  zener;  thus,  the  optical 
output  persists  at  a  lower  level  for  a  half-cycle.  During  the 
next  half-cycle  C2  recharges  via  R4,  with  a  time-constant  of 
12ms,  allowing  full  recharging  in  the  minimum  half-cycle 
time  of  100ms. 

In  many  cases  the  only  calibration  required  will  be  to  set 
the  frequency  to  5kHz  at  the  full-scale  input  of  20mA. 
However,  the  V0s  of  the  AD537  may  also  be  nulled  for 
more  exacting  applications,  using  the  standard  technique 
described  in  Section  I.  Other  scaling  arrangements  can 
readily  be  devised. 

IV  TELEMETRY  AND  COMMUNICATIONS 
Frequency-Shift  Modulators 

A  very  common  requirement  is  the  transmission  of  binary 
data  encoded  as  two  discrete  frequencies,  for  example,  in 
data  modems.  The  excellent  temperature  and  supply 
stability  of  the  AD537,  its  square-wave  output  and  phase- 
continuous  modulation  property  commend  it  as  an  alterna- 
tive to  semi-discrete  implementations.  Furthermore,  its 
small  power  requirement  allows  it  to  be  supplied  from 
available  telephone-line  current  at  remote  sites.  Occasion- 
ally more  than  two  levels  can  be  encoded;  these  notes 
describe  a  binary  modulator  designed  to  Bell  System  202 
standards  and  an  eight-level  encoder. 


Binary  Encoder 

n*.  i  ne-iriveneu  connection  or  U  l  ensures  a  very  small 
offset  error.  Only  one  adjustment  is  needed;  the  voltage 
at  pin  5  sets  both  mark  and  space  frequencies.  Note  the 
very  low  current  consumption  of  this  circuit.  The  square- 
wave  output  must  be  filtered  before  transmission  over  a 
public  telephone  line. 


Figure  23.  Bell  System  202  Data  Encoder 


Eight-Level  Encoder 

A  simple  extension  of  the  above  circuit  provides  for  the 
generation  of  eight  linearly  separated  frequencies  controlled 
by  a  3-bit  input  word.  Three  inverted-mode  transistors  are 
used  with  col  lector  loads  of  1 .8kS2,  3.6kfi  and  7.2k«,  which 
generate  currents  of  0.5mA,  0.25mA  and  0.125mA  respec- 
tively, when  pin  5  is  adjusted  to  900mV.  Using  a  0.0125>iF 
timing  capacitor,  this  generates  the  frequencies  zero  through 
7kHz.  By  adding  a  non-switched  resistor  (as  in  Figure  23) 
of  7.2kfi,  the  frequencies  1  through  8kHz  are  generated. 
A  more  complex  realization  of  digital  frequency  control  is 
given  under  "Clock  Generators"  in  Section  V. 

Phase-Locked  Loops 

The  AD537  is  useful  as  the  VCO  in  phase-locked  loops,  due 
to  its  high  linearity  and  the  square-wave  output.  One  appli- 
cation is  as  an  accurate  F-V  converter;  another  is  as  an  FSK 
demodulator.  Both  of  these  employ  first-order  loops.  A 
linear  phase-locked  loop  is  also  described,  suitable  for  the 
recovery  of  signals  buried  in  noise. 

Basic  F-V  Converter 

Figure  24  shows  how  the  AD537  is  connected  for  F-V 
conversion.  The  quad-nand  open-collector  TTL  gate  serves 
as  a  phase  comparator,  having  as  inputs  the  signal  and  the 
oscillator  output.  Its  output  is  a  rectangular  pulse  whose 
average  value  is  forced  to  be  equal  to  that  voltage  which 
causes  the  oscillator  to  run  at  the  same  frequency  as  the 
input.  Since  there  is  no  low-pass  filter,  the  circuit  can  lock 
on  to  any  frequency  from  zero  to  full-scale  (10kHz  in  this 
example),  and  this  locked  condition  is  acquired  within  four 
or  five  cycles.  The  dc  output  is  extracted  by  a  low-pass 
filter  outside  of  the  loop.  As  shown,  the  output  has  a  FS 
value  of  +1 V  and  is  unbuffered. 

The  input  duty  cycle  is  not  critical,  but  a  square-wave  is 
preferable.  Pulses  shorter  than  50/js  will  cause  errors. 
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Figure  24.  10kHz  F-V  Converter 

Similar  trimming  techniques  as  for  V-F  operation  are 
employed.  With  the  Vqs  trimmer  at  mid-scale,  trim  the 
output  to  1.00V  for  a  frequency  input  of  10kHz  using  R1. 
Then  apply  a  10Hz  input  and  trim  Vos  for  a  1mV  output. 
Finally,  re-trim  R1  at  10kHz. 
FSK  Demodulator 

For  demodulation  of  a  frequency-shift  signal  a  narrower 
operating  range  is  called  for.  Figure  25  shows  a  first-order 
loop  similar  to  that  just  described,  but  operating  only 
from  800Hz  to  2600Hz.  The  center  of  this  range  is  1 700Hz, 
which  is  also  the  center  of  the  1200/2200  Type  202  Data- 
set  signal.  The  phase-comparator  output  is  filtered  by  a 
simple  low-pass  circuit,  suitable  for  data  rates  up  to  120 
baud.  No  trimming  is  required  for  this  applications. 
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Figure  25.  Bell  System  202  Decoder 

Linear  PLL 

The  phase-locked-loop  circuits  described  above  operate 
from  an  essentially  noise-free  binary  input.  PLL's  are  also 
well-known  for  their  value  in  extracting  frequency  informa- 
tion from  a  noisy  analog  signal.  To  do  this,  the  digital  phase- 
comparator  must  be  replaced  by  a  linear  multiplier.  In  the 
implementation  shown  in  Figure  26  the  triangular  waveform 
appearing  across  the  timing  capacitor  is  used  as  one  of  the 
multiplier  inputs;  the  signal  provides  the  other  input.  It  is 
easy  to  prove  that  the  mean  value  of  the  multiplier  output 
is  zero  when  the  two  signals  are  in  quadrature.  In  this 
condition,  the  ripple  in  the  error  signal  is  also  quite  small. 
Thus,  the  voltage  at  pin  5  is  essentially  zero,  and  the  frequen- 
cy is  determined  primarily  by  the  current  in  the  timing 
resistor,  controlled  either  manually  or  by  a  control  voltage. 
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Figure  26.  Linear  Phase-Locked  Loop 

Noise  on  the  input  signal  affects  the  loop  operation  only 
slightly;  it  appears  as  noise  in  the  timing  current,  but  this 
is  averaged  out  by  the  timing  capacitor.  On  the  other  hand, 
if  the  input  frequency  changes  there  is  a  net  error  voltage 
at  pin  5  which  acts  to  bring  the  oscillator  back  into  quadra- 
ture. Thus,  the  output  at  pin  14  is  a  noise-free  square-wave 
having  exactly  the  same  frequency  as  the  input  signal. 
The  effectiveness  of  this  circuit  can  be  judged  from  Figure 
27  which  shows  the  response  to  an  input  of  1V  rms  1kHz 
sinusoid  plus  1V  rms  Gaussian  noise.  The  positive  supply  to 
the  AD537  is  reduced  by  about  4V  in  order  to  keep  the 
voltages  at  pins  11  and  12  within  the  common-mode  range 
of  the  AD534. 


Figure  27.  Performance  of  A  D537  L  inear  Phase- 
Locked  Loop 

Since  this  is  also  a  first-order  loop  the  circuit  possesses  a 
very  wide  capture  range.  However,  even  better  noise-inte- 
grating properties  can  be  achieved  by  adding  a  filter  between 
the  multiplier  output  and  the  VCO  input.  Details  of  suitable 
filter  characteristics  can  be  found  in  the  standard  texts  on 
the  subject. 

By  connecting  the  multiplier  output  to  the  lower  end  of 
the  timing  resistor  and  moving  the  control  input  to  pin  5, 
a  high-resistance  frequency-control  input  is  made  available. 
However,  due  to  the  reduced  supply  voltage,  this  input 
cannot  exceed  +6V. 

Waveform  Generation 

The  AD537  combines  many  useful  features  as  a  waveform 
generator,  including  a  very  wide  (10,000:1)  control  range 
with  a  single  capacitor,  cycle  times  up  to  100  seconds 
(C=1/^F),  external  voltage  or  current  control,  square-wave 
or  triwave  outputs.  The  capability  for  asymmetrical  wave- 
forms is  also  available. 

Triangle  Wave 

The  circuit  shown  in  Figure  28  generates  a  loadable  triwave 
output  whose  mark-space  ratio  can  be  set  by  adjustment  of 
the  factor  a.  Forone  half-cycle  (when  pin  14  is  open-circuit), 
the  only  path  for  timing  current  is  through  R1;  for  the 
other  (when  pin  14  is  short-circuit),  both  R1  and  R2  are  in 


VOLTAGE-TO-FREQUENCY  CONVERTERS  23-25 


the  circuit  and  the  half-cycle  is  thus  shortened.  The  mark- 
space  ratio  is  maintained  over  the  frequency-control  range. 
Of  course,  if  a  symmetrical  waveform  is  needed,  R2  is  omit- 
ted, releasing  pin  14  for  use  as  a  square-wave  output.  The 
mark-space  relationship  can  be  inverted  by  reversing  pins  1 
and  3  on  the  AD521. 
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Figure  28.  Asymmetric  Triwave  Generator 

Note  that  the  positive  supply  to  the  AD537  is  reduced  by 
the  zener  diode  in  order  to  remain  within  the  common- 
mode  range  of  the  AD521  inputs.  This  also  reduces  the 
input  signal  range. 

Voltage  Programmable  Pulse  Generator 

The  circuit  shown  in  Figure  29  produces  a  pulse  train  output 
with  continuously  variable  output  frequency,  duty  cycle, 
and  output  levels.  The  output  waveform  is  shown  below: 


VH.forT,  = 


5RC 
Vi 
5RC 


VL,forT2  = 


V1f  V2>0 


Figure  29.  Voltage  Programmable  Pulse  Generator 

The  circuit  uses  a  10kfl  timing  resistor  (R  in  the  above 
formula) ,  and  the  C  value  is  chosen  for  the  maximum  square- 
wave  running  frequency.  The  minimum  square-wave  fre- 
quency is  determined  by  circuit  offsets.  Frequency  sweeps 


in  excess  of  1000  to  1  (corresponding  to  a  10mV  to  10V 
range  of  V1  and  V2)  can  easily  be  achieved.  Additional 
range  is  possible  by  trimming  offsets.  The  matching  of  the 
resistors  around  A1  and  A2  will  influence  the  accuracy  of 
the  duty  cycle.  If  0.01%  resistors  are  used,  a  duty  cycle 
sweep  of  1000  to  1  with  less  than  10%  error  can  be  obtained. 
The  30J2  resistors  shown  in  the  feedback  loops  of  A2  and 
A3  compensate  for  the  Ron  of  the  FETs. 

The  output  of  the  AD537  drives  an  external  transistor 
which  speeds  up  the  transition  and  minimizes  timing  errors 
due  to  switching.  The  output  amplifier,  an  AD509,  is  com- 
pensated slightly  with  the  100pF  and  1k  at  the  inputs. 
This  results  in  a  rise  time  of  approximately  300ns  with 
minimal  overshoot  and  noise  on  the  transitions. 

Digitally  Programmable  Clock  Generator 

By  combining  a  DAC  with  the  AD537,  digital  control  of 
frequency  is  achieved,  using  either  an  external  binary  word 
or  manually-set  thumbswitches.  Figure  30  shows  one 
realization  using  a  12-bit  BCD-coded  AD562  to  provide 
3-digit  control  of  frequency  from  100Hz  to  99.9kHz. 


Figure  30.  Digitally-Programmable  Clock  Source 

The  output  current  of  the  AD562  is  used  directly  by  the 
AD537,  thus  eliminating  the  need  for  a  Vos  trim.  Also, 
the  reference  output  of  the  AD537  provides  the  AD562 
reference  input.  This  ratiometric  operation  contributes  to 
overall  stability.  The  DAC  exhibits  a  current-gain  of  2.5  at 
full-scale,  so  only  160/xA  of  current  is  needed  in  the  scale- 
setting  resistors  R1  and  R2.  If  a  straight-binary  AD562  is 
substituted  the  FS  output  current  is  raised  to  640/liA,  and 
the  capacitor  should  be  changed  to  B10pF  for  a  nominal 
100kHz  FS. 

Calibration  is  simple.  With  999  on  the  thumbswitches  adjust 
R1  for  a  frequency  of  99.9kHz.  The  linearity  of  the  AD537 
ensures  that  all  other  frequencies  are  correct  within  the 
three-digit  window.  A  fourth  decade  can  be  added  in  the 
LSD  position  as  shown  by  the  dotted  lines. 

Another  digitally  programmed  clock  generator  is  shown  in 
Section  VI  of  these  notes. 

V.    SPECIAL  APPLICATIONS 
Long-Term  Analog  Integration 

The  integral  of  a  unipolar  input  voltage  is  obtained  simply 
by  accumulating  the  output  of  an  AD537  in  a  suitable 
counter: 


23-26    VOLTAGE-TO-FREQUENCY  CONVERTERS 


V(t)dt   ,  T  =  10CR 


An  analog  output  can  be  recovered  using  a  DAC.  Figure  31 
shows  a  scheme  using  a  12-bit  CMOS  counter  and  a  10-bit 
CMOS  DAC;  the  first  two  bits  of  the  counter  provide  a 
prescaler,  allowing  the  AD537  to  run  four  times  faster. 


Figure  31.  L  ong-  Term  A  nalog  In  tegra  tor 

Note  that  the  1.0V  output  of  the  AD537  is  used  as  reference 
voltage,  but  the  10k£2  input  resistance  of  the  DAC  loads 
this  point,  requiring  a  small  correction  in  the  output  scaling, 
now  nominally  96uA  FS,  and  to  the  frequency  adjustment 
which  determines  T.  For  a  +1V  analog  input  these  values 
are  recommended: 

T  C  R  f(FS) 

1  second  0.01uF  1.8K  +  50012  adj  4096Hz 

1  minute  0.5^F  2.2K  +  50OS2  adj  68.27Hz 

1  hour  10.0juF  6.8k  +  1k£2adj  1.138Hz 

Longer  integration  constants  should  be  obtained  by  inter- 
posing further  prescaling  counter  stages  ahead  of  the 
accumulator.  Note  that  even  when  the  AD537  is  operating 
at  low  frequencies,  wideband  voltage  fluctuations  on  the 
input  are  correctly  integrated  by  the  action  of  the  timing 
capacitor. 


Analog  Division 

In  some  cases  it  will  be  desirable  to  generate  a  frequency 
proportional  to  the  ratio  of  two  voltages.  Of  course,  an 
analog  divider  may  be  used,  but  where  the  dynamic  range 
of  the  denominator  is  fairly  small  (about  10:1)  very  good 
accuracy  may  be  achieved  using  a  few  additional  parts  with 
the  AD537.  Figure  33  shows  the  scheme.  First  note  that 
the  numerator  input  voltage  is  applied  to  the  usual  input 
and  scaling  of  full-scale  input  voltage  and  full-scale  frequency 
is  accomplished  as  in  the  standard  modes.  Positive  inputs  of 
up  to  (Vs  -  4V)  can  still  be  accepted  as  well  as  negative 
voltages  or  currents.  The  division  mode  places  no  additional 
constraints  on  the  numerator  input. 


*       ♦       *       *  ♦ 


Figure  32.  Output  of  Analog  Integrator 


Figure  33.  Analog  Divider  (Frequency  Output! 

Key  to  operation  in  this  mode  is  the  fact  that  the  frequency 
is  inversely  proportional  to  the  voltage  between  pin  2  and 
+Vs.  Internally,  this  node  has  a  resistance  of  1.8k£2  to  +Vs 
and  is  supplied  with  a  current  of  460/iA  plus  a  further  bOpJK 
which  is  proportional  to  absolute  temperature  and  is 
required  to  achieve  temperature  compensation  of  the  basic 
current-to-frequency  converter.  By  connecting  an  external 
10012  resistor,  the  control  voltage  at  this  node  is  reduced. 
This  causes  the  nominal  frequency  to  be  raised  by  a  factor 
of  19  times  in  the  absence  of  any  external  current  in  this 
resistor.  To  restore  temperature-independent  operation, 
it  is  first  necessary  to  supply  3/uA/°K  to  this  node.  This  is 
achieved  using  the  thermometer  output,  the  op-amp  A3 
(one-quarter  of  an  LM324,  chosen  for  its  ability  to  operate 
from  a  single  supply)  and  the  transistor  Q2  (any  high-gain 
NPN).  To  provide  conversion  of  the  denominator  signal  to 
a  voltage  at  pin  2  requires  two  steps:  scaling  and  offset. 
Scaling  for  either  +0.1  V  to  +1.0V  or  +1.0V  to  +10V  is 
demonstrated  in  the  figure;  the  actual  range  extends  con- 
siderably beyond  the  limits  in  both  directions.  Offset  is 
necessary  because  there  is  a  finite  voltage  at  pin  2  even  for 
zero  denominator  input,  and  this  is  provided  by  the  stable 
+1.0V  reference  output.  A2  buffers  this  voltage  and  A1 
provides  a  high-impedance  input  point  for  Vrj,  the  denomi- 
nator signal.  For  R1  =  2.4K  the  output  frequency  is  simply 
Vn/VdCR3.  To  adjust  the  denominator  offset,  connect  the 
V|\j  and  Vrj  inputs  together  (if  they  have  same  FS  scaling 
voltage)  and  trim  to  maintain  frequency  independent  of 
input  voltage.  Linearity  of  division  is  typically  ±0.1%. 

Temperature-to-Frequency  Conversion 

The  1mV/°K  output  of  the  AD537  is  very  exactly  propor- 
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tional  to  absolute  temperature,  and  the  specified  scaling 
error  of  ±0.1%  can  be  absorbed  in  the  overall  scale  adjust- 
ment. By  operating  at  +Vs  =  5V  and  using  small  timing 
currents,  the  chip  dissipation  can  be  held  to  6.5mW.  This  re- 
sults in  a  temperature  offset  in  free  air  of  about  +1°K, 
roughly  equal  to  the  typical  input  amplifier  offset  (since 
1mV  =  1°K).  Accuracy  in  the  absolute  scale  is  therefore 
very  high.  Figure  34  shows  the  AD537S  scaled  for  10Hz/°K, 
corresponding  to  an  output  frequency  range  of  2180  to 
4980Hz  over  the  specified  temperature  range  of  -55°C  to 
+125°C.  For  applications  where  ambient  temperature  is  to 
be  monitored,  calibration  to  useful  accuracy  can  be  achieved 
by  simply  measuring  the  temperature  at  the  package  and 
adjusting  the  output  accordingly.  For  more  precise  applica- 
tions calibration  at  least  two  points  (e.g.,  0  and  100°C)  will 
be  necessary  to  eliminate  offset  effects. 
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Figure  34.  Absolute  Temperature  Transducer 

The  1.00V  output  of  the  AD537  may  be  combined  with 
the  1mV/°K  output  to  realize  other  temperature  scales. 
For  the  Celsius  scale  the  lower  end  of  the  timing  resistor 
must  be  offset  by  +273.15mV.  Figure  35a  shows  how  this 
can  be  achieved.  The  component  values  include  corrections 
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Figure  35.  Connections  For  Offset  Temperature  Scales 


for  the  loading  of  the  1.00V  output.  The  frequency  range 
is  reduced  to  0  to  1250Hz,  corresponding  to  0  to  +125°C. 

The  Fahrenheit  scale  requires  an  offset  of  +255.37mV,  and 
suitable  component  values  are  shown  in  Figure  35b.  The 
output  frequency  range  is  now  0  to  2570Hz  for  a  tempera- 
ture range  of  0  to  257°F  (-17.78°C  to  +125°C).  As  for  the 
absolute  scales,  satisfactory  calibration  is  possible  by 
adjusting  the  frequency  to  correspond  to  one  locally- 
measured  test  temperature. 

It  should  be  noted  that  only  the  AD537S  will  perform 
to  +125°C.  For  applications  requiring  a  maximum  tempera- 
ture of  +70°C  (+158°F),  the  J  or  K  grade  can  be  used.  The 
circuit  values  remain  unchanged. 

Sound  Velocity  Monitor 

The  thermometer  and  reference  outputs  of  the  AD537  can 
simplify  the  computation  of  many  physical  parameters. 
As  an  example,  the  velocity  of  sound  in  air  can  be  computed 
from  the  formula: 

VS  =  (331.5 +  0.6TC) 

=  (167.6 +  0.6TK) 
where      Vs  is  velocity  in  m/sec 

Tc  is  Celsius  Temperature 
Tk  is  Kelvin  Temperature 

The  circuit  of  Figure  36  uses  two  resistors  to  provide  the 
appropriate  weighing  of  the  thermometer  and  reference 
outputs  as  given  by: 

(^)1V  +  (R^)    0.001V/=K=  167.61 +  0.6Tk 
.  If  we  choose  a  value  of  20k  for 


167.61 
"600- 


Thus,  — p2- 
R2,  then  Ri  =  71.5k. 


Figure  36.  Sound  Velocity  Monitor 


With  these  values,  the  voltage  on  pin  5  will  be  452.8mV  at 
300°K.  This  must  be  scaled  to  an  output  frequency  of 
347.6Hz,  corresponding  to  the  velocity  of  sound  at  300°K. 
If  a  0.01uF  timing  capacitor  is  chosen,  the  value  of  R3  is 
found  to  be  13kQ. 

VI.  MICROPROCESSOR  INTERFACING 

The  AD537  is  well  suited  to  microprocessor  interface  appli- 
cations due  to  its  low  cost,  small  physical  size,  and  low  power 
requirements.  The  device  can  be  used  as  an  output  port, 
allowing  software  control  of  oscillator  frequency,  or  it 
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can  be  used  as  the  basis  for  a  microprocessor-based  data 
acquisition  system. 

Programmable  Frequency  Source 

Figure  37  shows  a  circuit  using  an  AD7522  10-bit  CMOS 
digital-to-analog  converter  and  an  AD537  in  a  programmable 
oscillator  circuit.  The  AD7522  is  directly  microprocessor- 
compatible  and  can  be  treated  as  either  two  output  ports 
or  two  memory  locations.  Two  locations  are  required  to 
load  10  bits  from  8-bit  bus  structures.  The  low  order  8  bits 
are  loaded  into  the  DAC  holding  register  on  the  rising  edge 
of  LBS,  and  the  two  most  significant  bits  are  loaded  on  the 
rising  edge  of  HBS.  The  HBS  signal  is  also  connected  to 
LDAC,  which  strobes  the  complete  10  bit  word  onto  the 
actual  DAC  control  lines  coincident  with  loading  of  the 
two  most  significant  bits. 
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Figure  37.  Digital  Frequency  Control  from 
Microprocessor  Bus 

The  reference  for  the  AD7522  is  provided  by  the  1.00V 
output  of  the  AD537.  The  10W2  nominal  impedance  at 
the  DAC  reference  input  will  lower  the  full-scale  frequency 
of  the  AD537  due  to  loading  on  the  1.00  volt  output  (see 
Figure  18).  Resistor  R2  provides  sufficient  trim  range  to 
compensate  for  this  effect.  The  DAC  current  output  is  con- 
verted to  a  voltage  by  the  AD517,  chosen  for  its  low  offset 
voltage  and  low  drift.  This  voltage  has  a  range  of  0  to  -1 
volt  F.S.  and  is  applied  to  the  AD537  configured  for  nega- 
tive input  voltage.  As  shown,  the  output  frequency  is  scaled 
for  10Hz/LSB. 

Data  Acquisition 

In  microprocessor-based  systems,  a  V-F  converter  is  often 
used  as  a  data-conversion  element.  The  AD537  in  particular 
can  be  used  in  systems  requiring  remote  sensors  reporting 
to  a  central  processor.  The  serial  outputs  of  many  devices 
can  be  easily  multiplexed,  providing  multiple-channel  data 
acquisition  at  low  cost. 

The  classic  A-to-D  conversion  with  a  V-F  converter  involves 
using  a  series  of  counters  to  count  pulses  from  the  converter 
in  a  particular  time  interval.  This  gate  signal  must  be,  of 
necessity,  quite  stable,  since  any  drift  will  cause  a  gain  error 
in  the  conversion.  Many  microcomputers  utilize  a  crystal 
oscillator  for  the  system  clock,  and  this  can  be  used  as  the 
basis  for  a  stable  gate  signal.  Since  most  processor  clocks 
run  at  a  few  megahertz,  a  divider  stage  will  be  necessary 


to  provide  a  sufficiently  long  gate  interval  (usually  a  few 
hundred  milliseconds).  The  gate  frequency  can,  of  course, 
also  be  derived  from  another  AD537,  in  which  case  it  can 
be  adjusted  to  provide  proper  gate  signals  for  several  other 
AD537's  operating  at  different  full-scale  frequencies. 

If  the  parameter  being  measured  is  actually  the  denominator 
of  the  desired  result,  the  role  of  the  AD537  and  the  proces- 
sor clock  can  be  reversed.  The  AD537  output  is  used  as  the 
gate,  and  pulses  of  the  system  clock  are  counted.  In  this 
scheme,  the  total  number  of  pulses  counted  bears  an  inverse 
relationship  to  the  voltage  at  the  AD537  input,  relieving 
the  microprocessor  of  the  task  of  division.  This  type  of 
conversion  takes  less  time  for  a  given  level  of  resolution, 
since  the  processor  clock  runs  much  faster  than  the  AD537 
maximum  frequency. 

Figure  38  shows  a  generalized  microprocessor  data  acquisi- 
tion system  using  the  AD537  as  the  basic  analog-to-digital 
conversion  element.  The  eight  AD537'scan  be  located  some 
distance  from  the  processor  and  linked  by  two-wire  lines. 


Figure  38.  8-Channel  Microprocessor  Data  Acquisition 
System  Using  AD537 

A  single  "write"  instruction  selects  the  AD537  to  be  moni- 
tored, the  gating  clock  to  be  used,  and  issues  the  command 
to  initiate  a  conversion.  This  byte  might,  for  instance,  use 
the  following  format: 


X 


SELECTION  I 
OF  AD537 

SELECTION 
OF  GATE 
SIGNAL 


-  CONVERT  COMMAND 
1  -  START  CONVERSION 


The  AD537  to  be  monitored  is  selected  by  the  AD7507 
analog  multiplexer.  The  level  shifter  stage  converts  the  cur- 
rent modulation  to  TTL-compatible  pulses  as  described  in 
an  earlier  section.  A  +15  volt  supply  is  suggested,  to  com- 
pensate for  the  voltage  drop  due  to  the  ON  resistance  of 
the  multiplexer.  The  gating  clock  is  selected  by  the  74151 
digital  multiplexer.  As  shown,  any  of  the  gate  signals  can 
be  used  on  any  of  the  input  AD537's.  This  permits  selec- 
table gain  ranging  or  shortened  conversion  times  for  mea- 
surements not  requiring  full  resolution.  If  only  one  clock 
is  to  be  used  for  each  V-F  channel,  then  both  multi- 
plexers can  share  the  same  selection  bits. 
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itselt  is  a  poor  indicator  of  status,  since  a  conversion  may 
be  initiated  while  the  counters  are  running.  The  first 
conversion  would  then  be  inaccurate.  However,  the  logic 
shown  provides  a  clear  indication  of  status.  This  flag  can 
be  read  as  a  memory  location,  or  it  can  signal  an  interrupt 
to  the  processor. 

The  latches,  buffers,  and  bus  structures  have  deliberately 
not  been  specified.  The  choice  of  these  components  is 
dependent  upon  the  particular  microprocessor  used,  system 
configuration,  and  so  forth.  The  actual  implementation  is 
left  to  the  designer,  and  it  is  hoped  that  these  notes  have 
provided  some  insight  into  the  practical  considerations 
of  data  acquisition  with  the  AD537. 

n 
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□ ANALOG  AN-278 
DEVICES  APPLICATION  NOTE 

ONE  TECHNOLOGY  WAY  •  P.O.  BOX  9106  •  NORWOOD,  MASSACHUSETTS  02062-9106  •  617/329-4700 

: 

Operation  and  Applications  of  the  AD654 IC  V-to-F  Converter* 

by  Walt  Jung 


INTRODUCTION 
DEVICE  DESCRIPTION 

The  AD654  is  a  monolithic  voltage-to-frequency  (V/F)  con- 
verter combining  simplicity  of  use  in  standard  applica- 
tions with  a  high  degree  of  flexibility  and  versatility.  It  is 
very  much  like  its  predecessor,  the  popular  AD537. 12  The 
AD654  exchanges  the  all-around  flexibility  and  versatility 
of  the  AD537  for  maximum  efficiency  and  economy  of 
purpose,  within  a  single  8-pin  package.  As  a  significant 
bonus,  it  adds  an  extended  frequency  range  limit,  con- 
trasted to  the  original  AD537. 

Designed  for  either  single  or  dual  supply  operation  with 
low  supply  voltages  and  low  current  drain  (5V  and 
1.5mA),  the  AD654  nevertheless  has  the  capability  of 
driving  high  voltage,  high  current  loads  (36V  and  20mA). 
The  chip  includes  a  low  drift  input  amplifier  capable  of 
operating  directly  from  millivolt  signals,  a  precision 
current  controlled  oscillator,  and  a  high  current  output 
stage.  It  is  a  complete  circuit,  using  low  temperature 
coefficient  silicon  chromium  thin-film  resistors  through- 
out. Only  two  application  dependent  external  scaling/tim- 
ing components  are  required;  one  resistor  and  one 
capacitor  (Figure  1). 

These  two  components  provide  the  user  with  means  for 
customizing  the  device  for  two  application-unique  para- 
meters; scale  of  the  input  voltage  and  the  output  fre- 
quency. Programming  of  the  full  scale  (FS)  input  voltage 
is  possible  from  lOOmV  to  10V  (or  more,  in  some  cases). 
The  FS  frequency  can  be  programmed  to  any  value  less 
than  500kHz. 

Either  positive  or  negative  input  voltages  can  be  accepted 
by  the  AD654  for  a  conversion.  The  basic  AD654  V/F  scal- 
ing relationship  is: 

f  =    (1) 

10Vx(R,C,)  ,J 

This  simplifies  the  choice  of  the  external  components. 
V/F  linearity  error  is  typically  ±0.03%  for  250kHz  FS, 

*Portions  of  this  note  are  revised  and  expanded  from  the  original 
"Applications  of  the  AD537,"  by  Barried  Gilbert  and  Doug  Grant. 





b.  Schematic  Symbol 

Figure  1.  AD654  Basics 

guaranteed  over  an  80dB  dynamic  range.  The  output  fre- 
quency is  stable  with  temperature  (typically  ±  50ppm/°C, 
excluding  the  effects  of  external  components)  and  supply 
(typically  ±0.05%/V  from  5  to  36V).  Complete  specifica- 
tions are  included  in  the  supplementary  pages  at  the  end 
ofthps  note. 

The  input  amplifier  functions  as  a  voltage-to-current 
converter  and  has  a  typical  offset  voltage  drift  of  only 
±4u.V/°C.  This  low  drift  permits  operation  directly  from 
such  low  level  transducers  as  strain  gauges,  ther- 
mocouples, current  shunts,  etc,  while  offering  a  high 
(250Mfl)  input  resistance  to  positive  voltage  signals. 

The  output  stage,  an  open  collector  NPN  circuit,  can  sink 
up  to  20mA  with  a  saturation  voltage  less  than  0.4V  and 
can  withstand  a  voltage  of  36V.  The  collector  and  emitter 
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of  this  stage  can  be  connected  to  any  level  between  the 
limits  of  ground  (or  -Vs),  and  4V  below  +  Vs,  permitting 
easy  interfacing  with  any  digital  logic  family.  The  high 
current  capability  means  that  LED's,  long  cables,  or  up  to 
1 2  TTL  loads  can  be  driven  directly. 

Unlike  most  V/F  converters,  the  AD654  is  designed  to  de- 
liver a  square  wave  output.  This  factor  has  advantages 
both  internally  and  externally.  Internally,  it  means  that  the 
power  dissipation  is  essentially  independent  of  frequency 
so  that  self-heating  effects  do  not  cause  linearity  errors. 
Externally,  the  average  dc  level  of  the  output  is  constant, 
useful  in  ac  coupled  data  links.  It  also  allows  din 


tion  as  a  phased-locked-loop  within  F 
other  applications. 

Whereas  many  V/F  converters  are  limited  in  their  range  of 
applications  to  basic  telemetry  and  slow  A/D  conversion, 
the  low  cost,  low  power  drain,  single-supply  operation, 
and  high  operating  speed  of  the  AD654  open  up  a  wide 
spectrum  of  uses. 


THEORY  OF  OPERATION 

The  block  diagram  of  the  AD654  is  shown  in  Figure  I.The 
key  to  accurate  operation  is  the  current-to-frequency  con- 
verter, which  is  a  very  carefully  designed  multivibrator. 
The  main  advantages  of  this  circuit  are: 

•  Its  simplicity— requiring  a  single  timing  capacitor, 

•  The  use  of  push-pull  charging — resulting  in  a  large  volt- 
age across  this  capacitor,  even  at  low  supply  voltages 
(for  improved  timing  accuracy  and  low  cycle-to-cycle 
jitter), 

•  Its  square  wave  output — generally  more  useful  than  the 
narrow  pulse  generated  by  charge  dispensing  conver- 
ters, 

•  Its  high  speed  of  operation — up  to  500kHz,  or  higher 
with  special  operating  modes, 

•  Its  application  flexibility,  allowing  cost-effective  appli- 
cations as  well  as  high  precision  when  needed, 

•  Its  abilitytooperatefrom  a  single  +5V  power  supply, 

•  And,  most  importantly,  its  good  linearity. 

By  using  special  adaptive  biasing  techniques,  operation 
of  this  multivibrator  is  possible  over  a  very  large  dynamic 
range,  from  a  maximum  control  current  of  2mA  to  less 
than  1 0OnA  (a  frequency  range  of  20,000/1  or  more). 

It  can  be  shown  that  the  basic  circuit  has  a  well  defined 
temperature  coefficient  of  300ppm/°K  at  all  values  of  con- 
trol current.  Use  is  made  of  the  tight  thermal  coupling  to 
the  associated  band-gap  reference  generator,  which 
supplies  an  exactly  proportioned  temperature  compensa- 
tion voltage  to  the  multivibrator.  The  band-gap  cell  also 


provides  the  required  bias  for  internal  operation  of  the 
chip. 

The  square  wave  output  from  the  multivibrator  operates 
the  output  drive  circuit,  which  provides  a  floating  drive 
current  to  the  large  geometry  output  transistor  Q2  (Figure 
1 ).  Internally,  there  are  actually  two  transistors  in  a  ther- 
mally symmetric  layout  for  minimal  interaction  with  the 
remaining  circuits.  This  transistor  is  designed  for  very  low 
saturation  voltage  and  is  driven  to  combine  low  ON  volt- 
ages with  a  well  defined  current  limit. 

A  versatile  operational  amplifier  serves  as  the  input  stage. 
Its  purpose  is  to  convert  the  applied  input  voltage  to  a 
proportional  control  current  in  Q1.  This  current  is  opti- 
mally 1mA  at  the  input  signal  level  corresponding  to  the 
maximum  output  frequency.  With  the  internal  strapping 
of  Q1's  emitter  and  the  op  amp's  (-)  input,  the  input  volt- 
age is  effectively  impressed  across  the  user  defined  exter- 
nal scaling  resistor  (Rt)  by  the  theory  of  zero  input 
differential. 

This  resistor,  Rt,  is  chosen  to  provide  the  needed  trans- 
conductance  for  the  application,  consistent  with  the  ap- 
plied FS  input  voltage.  For  example,  for  a  FS  input  voltage 
of  1.0V,  the  optimum  resistor  value  is  1.0kfi.  The  +V|N  ter- 
minal of  the  op  amp  (pin  4)  offers  a  high  input  resistance 
to  the  source,  with  a  bias  current  of  about  30nA.  The  de- 
sign of  this  op  amp  ensures  that  the  effect  of  finite  bias 
current  on  drift  is  small.  Drifts  of  the  order  of  4(aV/°C  can 
be  achieved,  even  with  source  resistance/scaling  resis- 
tance imbalances  of  1  k.  Consequently,  the  AD654  can  ac- 
commodate millivolt  signals  without  the  need  for  a 
preamplifier. 

The  input  configuration  is  quasi-differential,  so  that  errors 
due  to  ground  loops  can  be  avoided  with  the  proper 
choice  of  signal  connections.  The  common-mode  range 
of  the  AD654  extends  from  4V  below  +  Vs  (that  is,  from 
+  11V  for  a  +VS  of  15V),  down  to  -Vs,  so  that  inputs 
down  to  ground  potential  can  be  accepted  even  when 
operating  from  a  single  supply  voltage.  This  feature 
maximizes  the  utility  of  the  chip  when  operating  from  a 
battery  or  other  single  supply  power  source.  Negative  in- 
puts (voltages  or  currents)  can  also  be  accepted  by  fixing 
the  voltage  on  pin  4  (usually  to  ground  potential)  and  driv- 
ing a  current  into  pin  3  (either  directly  from  a  current 
source,  or  via  a  scaling  resistor). 

Unlike  the  14-pin  AD537,  the  8-pin  packaged  AD654  has 
no  provision  for  trimming  the  offset  voltage  of  the  input 
op  amp.  However,  since  this  error  voltage  is  extremely 
low  (1  mV  max),  it  is  not  likely  to  be  a  very  significant  factor 
in  many  applications.  For  example,  even  for  an  input  FS 
voltage  as  low  as  1V,  this  offset  amounts  to  a  zero  error 
of  only  0.1%  of  FS.  For  demanding  applications,  this  re- 
sidual offset  can  be  trimmed  externally  at  the  option  of  the 


23-32    VOLTAGE-TO-FREQUENCY  CONVERTERS 


BASIC  OPERATIONAL  MODES 

■ 

Positive  Input  Voltages 

Figure  2  shows  the  connections  for  basic  operation  of  the 
AD654  as  :  converter  with  positive  voltage  inputs.  For 
such  operation,  a  single  supply  voltage  will  usually  be  suf- 
ficient, with  -  Vs  (pin  5)  and  the  output  emitter  (pin  2) 
strapped  to  their  respective  grounds.  The  lower  end  of  the 
scaling  resistor  R,  should  be  connected  to  the  appropriate 
signal  ground,  shown  here  as  analog  ground.  Note  that 
this  point  is  a  noise-free,  high  quality  ground,  denoted  by 
the  "A"  in  the  triangle.  Note  also  that  this  point  is  com- 
mon to  the  (-)  side  of  the  input  signal,  V|N.  This  is  to 
minimize  conversion  errors  due  to  the  inevitable  voltage 
drops  on  PC  board  traces.  The  digital  current  path  returns 
are  denoted  by  the  digital  ground  symbol  ("D"  in  the 
triangle)  and  should  be  maintained  separate  from  analog 
ground,  except  at  one  point.  This  convention  is  generally 
used  throughout  this  note. 




I  +  5V] 
O 


a.  Low  Power,  IV/IOkHz 

(-K15V)         (  +  5VI 

: 

■  t>  niq  }s  usee  93: 


10R,C, 
AS  SHOWN.f  =  100kHz 
'in  =  10V 
E  TABLES  FOR 
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"GROUND  R,  (RCAl)  DIRECTLY  FOR  NORMAL 
OPERATIONS.  USE  R0fF,  AND  ROFF!  FOR 
ENHANCED  ACCURACY  (SEE  TEXT). 

b.  Wide  Dynamic  Range,  10V/100kHz 
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±1VOFFSET  ' 
TRIM  VOLTAGE 
^  TO  AD654CIRCUITS 
(AS  REQUIRED) 

■ 


— Q-1V 


c.  Offset  Trim  Bias  Network 
Figure  2.  Basic  Positive  V,N  Connections 
Choosing  R,  and  I, 

The  nominal  value  of  R,  is  chosen  for  the  application  such 
that  the  FS  input  voltage  sets  up  the  desired  FS  current. 
There  is  a  tremendous  range  of  possible  values  here,  due 
to  the  high  dynamic  range  of  the  device.  The  designer  can 
opt  for  a  relatively  low  value  of  FS  current  lt,  and  in  so 
doing  minimize  the  overall  power  consumption  of  the  cir- 
cuit. An  example  would  be  the  use  of  a  FS  lt  of  100pA.  Or 
operation  can  be  towards  a  relatively  high  FS  lt  of  1mA, 
whereby  the  maximum  dynamic  range  and  best  linearity 
will  be  realized.  It  is  the  option  of  the  designer  to  exploit 
this  flexibility  to  the  best  advantage. 

Since  the  input  voltage  V|N  appears  across  R,,  the  relation- 
ship between  R,  and  I,  is  simply : 


veenR,and  I,  is  simply 

"in 


I, 


(2) 


Examples  of  standard  operation  are  contained  in  Table  I, 
but  are  discussed  hereto  bring  out  the  "why". 

For  a  0  to  +  1V  input,  wHere  power  is  to  be  conserved,  the 
circuit  of  Figure  2a  is  appropriate.  This  is  a  10kHz  FS  circuit 
operating  from  a  5V  supply.  To  minimize  current  drain,  lt 
is  set  at  100>A  FS  by  the  choice  of  Rt.  Rt  is  nominally  10k 
for  a  lOOpA  FS  current  with  a  1 V  V!N.  This  is  noted  in  the 
left  column.  It  is  a  simple  matter  to  recalculate  R,  for  other 
FS  input  voltages  and/or  currents  not  contained  in  the 
table.  For  example,  for  a  max  V|N  of  0.5V,  R,  would  be  5k 
forthe  same  I,.  Inthe  interest  of  simplicity,  however.  Table 
I  summarizes  the  most  useful  operating  ranges  of  the 
AD654  in  terms  of  FS  voltage,  FS  current,  and  the  appro- 
priate Rt  value. 

FS  frequency  is  programmed  via  the  choice  of  Ct,  which 
is  discussed  latter.  The  circuit  of  Figure  2a  is  useful  when 
overall  simplicity  is  important  and  a  three  decade  or  lower 
dynamic  range  is  adequate.  The  next  example  is  slightly 
more  complex,  but  realizes  more  dynamic  range  and 
higher  speed. 


FS  V|N 

Rt 

FSI,  =  100(iA 

FSI,  =  1mA 

100V* 

1  meg 

100k 

10V 

100k 

10k 

1V 

10k 

1" 

100mV 

1k 

100O 

NOTE 

•Applies  only  to  Figure  3. 

Tablet.  Rt  Selection  for  V^;  lt 
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quency  is  100kHz.  This  V/F  operates  from  a  15V  supply  be- 
cause of  the  10V  range.  Other  values  of  R,  can  be  selected 
as  noted  in  Table  I.  R,  can  be  recalculated  for  any  inter- 
mediate FS  input  voltage. 

When  operating  in  this  general  mode  of  input,  it  is  impor- 
tant to  note  that  the  maximum  allowable  voltage  input 
range  of  the  AD654  is  limited  by  the  power  supply  voltage. 
For  example,  with  +VS  at  5V  (as  in  Figure  2a)  the 
maximum  signal  input  is  only  +  IV  ( +  Vs-  4V).  However, 
the  device  specifications  do  allow  for  the  fact  that  the  sup- 
ply may  be  10%  low.  In  practice,  reliable  operation  can  ac- 
tually be  achieved  for  actual  inputs  slightly  in  excess  of 
+  1V  with  a  5V  supply.  By  the  same  token,  to  accommo- 
date an  input  voltage  range  of  +10V,  the  +VS  supply 
must  be  at  least  +14V(  +  V,N  +4V), as  in  Figure  2b. There- 
fore, using  a  15V  supply  a  10%  input  over  range  is 
possible. 

Choosing  Ct 

Having  chosen  the  input  scaling  resistor  and  I,  to  fit  the 
general  requirements,  the  timing  capacitor  C,  is  then 
selected.  Note  that  C,  is  chosen  to  accommodate  the  de- 
sired FS  frequency,  after  R,  and  I,  have  been  established. 
The  basic  relationship  of  (1)  can  be  re-written  in  terms  of 
C,,as: 

Or,  since  V|N/R,  is  equal  to  lt,  this  expression  can  be  also 
be  written  in  an  alternate  form,  as: 

Equation  3  can  be  used  to  verify  the  values  of  the  exam- 
ple(s).  In  the  example  of  Figure  2a,  with  V|N  FS  =  1V  and 
Rt  =  10k,  the  value  of  Ct  will  be  1000pFfora  FS  frequency 
of  10kHz.  This  can  also  be  noted  from  the  information  of 
Table  II  (left  column,  bottom). 

The  scaling  of  a  V/F  is  often  specified  in  terms  of  conver- 
sion sensitivity,  i.e.,  in  Hz/V.  In  this  case  the  scaling  is 
10Hz/mV.  Table  II  simplifies  the  selection  of  C,,  allowing 
easy  choice  as  is  appropriate  to  FS  frequencies  of  up  to 
500kHz.  Higher  frequencies  are  also  possible,  as  noted. 
However,  some  special  constraints  are  applicable,  and 
are  covered  with  the  applications  section. 

For  the  10V  FS  input  voltage  example  of  Figure  2b  (again 
with  R,  =  10k  nominal,  but  I,  =  1mA),  the  value  of  Ct  will 
be  1000pF  for  a  FS  frequency  of  100kHz.  This  can  also  be 
noted  from  the  information  of  Table  II  (right  column).  The 
scaling  in  this  case  is  again  lOHz/mV. 

Note  that  generally  one  must  select  the  1mA  current 
ranges  of  lt  for  the  highest  frequency  ranges.  This  is  to 
maintain  optimum  operating  speed  within  the  device.  Ad- 
ditionally, when  operating  above  10kHz  the  value  of  the 
load  resistor,  RL,  should  be  lowered  to  minimize  delay  due 
to  the  associated  time  constant.  A  value  of  1-2  kilohms  is 


250kHz 
100kHz 
10kHz 


1000pF 





390pF 

lOOOpF 

10000pF 



■ 


Notes 

*Not  recommended,  see  text. 
""Exalted"  operation,  see  text. 

Table  II.  C,  Selection  for  FS  f;  I, 

appropriate  for  the  highest  ranges,  asshown  in  Figure  2b. 
At  FS  frequencies  of  10kHz  or  below  these  measures  are 
not  neccessary  and  power  can  be  conserved  by  operating 
at  an  lt  of  1 00pA,  as  in  Figure  2a. 

In  general,  the  recommended  C,  values  are  the  most  read- 
ily available  ones.  Within  limits,  any  convenient  value  can 
be  used  to  set  up  a  special  scaling  relationship  with  some 
additional  caveats.  Linearity  will  be  degraded  with 
capacitor  values  below  1000pF,  and  100pF  is  the  mini- 
mum generally  recommended  capacitor  size.  There  is  no 
theoretical  upper  limit,  but  in  practice  there  is  a  real  one 
(see  the  section  "Timing  Component  Selection"). 

Bias  Compensation 

In  terms  of  optimizing  the  interface  presented  to  the  sig- 
nal source,  there  are  only  a  couple  of  considerations  nec- 
essary. Since  the  input  resistance  at  pin  4  is  very  high,  er- 
rors due  to  non-zero  source  resistance  will  not  normally 
be  a  serious  problem.  The  low  input  bias  current  (30nA, 
typ)  will  generate  an  offset  voltage  of  30piV/k  of  differen- 
tial source  resistance.  From  this  viewpoint,  it  is  then  desir- 
able to  keep  the  dc  source  resistances  seen  by  the  two  in- 
puts as  near  equal  as  is  practical  to  minimize  this  error. 

Generally  speaking,  bias  current  compensation  resis- 
tance can  be  added  to  the  inputs  to  minimize  the  resis- 
tance difference.  However,  with  the  AD654  it  can  only  be 
added  to  the  op  amp's  (  +  )  input;  that  is,  in  series  with  pin 
4.  The  resistance  at  the  (- )  input  (pin  3)  will  simply  be  the 
value  of  Rt,  and  cannot  be  compensated  without  upset- 
ting the  scaling.  Thus,  minimizing  bias  current  error  will 
amount  to  keeping  the  total  dc  resistance  seen  at  pin  4  as 
near  equal  to  that  at  pin  3  by  adding  a  padding  resistance 
when  appropriate. 

An  example  of  such  a  resistance  can  be  seen  in  Figures 
2a  and  2b  as  RComp.  the  same  value  as  Rt.  The  use  of  Rcomp 
is  suggested  for  any  applications  where  low  end  dynamic 
range  is  important  (that  is  below  a  few  mV),  and  in  particu- 
lar when  R,  is  10k  or  more.  Note  that  this  resistance  can 
also  serve  as  the  "R"  section  of  an  RC  low-pass  filter  in 
conjunction  with  CN.  This  filter  is  recommended  to 
minimize  noise  disturbance  of  the  V/F  at  low  levels.  CN  is 
not  highly  critical  and  can  be  chosen  with  this  resistor  for 
up  to  a  100ms  time  constant  for  maximum  filtering.  In 
general,  a  small  value  will  also  be  effective  (-0.1  (iF). 

Calibration 

In  theory,  two  adjustments  are  necessary  for  the  calibra- 
tion of  a  V/F;  FS  (full  scale)  and  ZERO  scale  (offset).  In 
practice,  the  offset  voltage  of  the  AD654  is  sufficiently  low 
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lated  ones. 

When  offset  voltage  is  to  be  trimmed,  the  trim  will  be 
done  externalta  the  device  using  an  optional  connection, 
such  as  that  shown  in  Figure  2b.  Resistors  Roffi  and  R0ff2 
are  additional  standard  resistors  placed  to  add  a  variable 
offset  in  series  with  Rt.  A  variable  source  of  ±  1.0V  is  ap- 
plied to  Roffi  to  adjust  the  offset  as  much  as  ±  1mV.  A 
simple  bipolar  source  of  ±1.0V  could  be  two  AD589's 
connected  as  shown  in  Figure  2c  or  a  pair  of  LED's  where 
the  high  stability  of  the  AD589's  is  not  necessary. 

For  most  applications  of  the  AD654  the  major  calibration 
trim  will  be  for  FS,  which  considerably  simplifies  its  setup. 
In  general,  FS  trim  is  the  calibration  of  the  circuit  so  that 
it  produces  the  desired  output  frequency  with  a  FS  signal 
input.  Specifically,  this  is  accomplished  by  adjustment  of 
the  scaling  resistor  Rt,  in  most  cases.  The  precise  calibra- 
tion of  an  AD654  requires  the  use  of  an  accurate  voltage 
standard  set  to  the  desired  FS  value  and  an  accurate  fre- 
quency meter,  while  a  scope  is  useful  for  monitoring  the 
output  waveshape.  Verification  of  converter  linearity  re- 
quires the  use  of  a  switchable  voltage  source  or  DAC  hav- 
ing a  linearity  error  below  ±0.005%,  and  the  use  of  long 
measurement  intervals  to  minimize  count  uncertainties. 
Since  each  AD654  is  factory  tested  for  linearity,  it  will  not 
usually  be  necessary  for  the  end  user  to  perform  this  tedi- 
ous and  time  consuming  test  on  a  routine  basis. 

In  application  circuits,  sufficient  FS  calibration  trim  range 
must  be  provided  to  accommodate  the  worst  case  sum  of 
all  major  scaling  errors.  This  includes  the  AD654  full  scale 
error  ( ±  10%),  the  tolerance  of  the  fixed  timing  resistor 
(±1%  assumed),  and  the  tolerance  on  the  timing 
capacitor  (±5%  is  assumed).  Therefore,  in  these  discus- 
sionsatrim  range  of  ±16%  will  be  used,  since  this  will  ac- 
commodate all  of  the  above.  In  the  circuit  examples,  the 
fixed  pa  rt  of  Rt  wi  1 1  be  82%  of  the  nomi  na  I,  and  the  variable 
portion  chosen  to  allow  116%  of  nominal. 

For  instance,  this  would  be  an  8.25k  ±  1%,  s100ppm/°C 
metal  film  resistor  for  Rscale-  plus  a  5k  trimmer  for  RCal. 
for  a  net  R,  of  10k.  For  the  adjustable  portion,  this  should 
be  an  infinite  resolution  film  trimmer,  with  high  mechani- 
cal stability  and  lowTC  (==100ppm/°C),  sealed  against  the 
environment.  For  other  values  of  Rt,  use  the  same  general 
proportions. 

Although  device  warmup  drifts  are  small,  it  is  always 
good  practice  to  allow  the  circuit's  operating  environment 
to  stabilize  before  trim,  and  to  provide  the  pertinent  sup- 
ply, source  and  load  conditions.  The  calibration  is  begun 
with  the  offset  trim  (if  applicable).  If  no  provision  is  made 
for  offset  trim  (or  it  is  not  neccessary  to  the  application), 
proceed  to  FS  calibration. 

ZERO  (Offset)  Calibration 

For  ZERO  scale  cal,  accomplished  by  offset  trimming, 
begin  by  setting  the  input  signal  voltage  to  zero  by  short- 


the  V/F  input  and  adjust  the  offset  trimmer  further  for  the 
correct  output  according  to  Table  III.  For  example,  if  the 
FS  V|N  is  1V  and  the  FS  frequency  is  10kHz  then  the  offset 
trim  frequency  will  be  10Hz  (Table  III,  left  column).  Note 
also  that  this  adjustment  will  be  quite  tedious  unless  the 
counter  is  used  in  the  PERIOD  mode,  adjusting  for  0.1  S. 

With  offset  properly  adjusted,  proceed  with  FS  calibra- 
tion, as  follows: 

FS  Calibration 

To  trim  an  AD654  for  a  desired  FS  frequency,  apply  a 
known  FS  input  voltage  at  the  appropriate  level  and  adjust 
the  Rcal  portion  of  R,  until  the  desired  FS  output  fre- 
quency is  indicated  on  the  counter  (Table  III).  In  some  ap- 
plications where  the  FS  input  voltage  is  small  (=100mV) 
this  adjustment  may  slightly  affect  the  device  offset  volt- 
age due  to  the  presence  of  bias  current  at  pin  3. 

In  a  case  where  the  offset  is  being  trimmed  and  where  the 
highest  accuracy  is  desired,  it  may  be  appropriate  to  re- 
peat the  ZERO  and  FS  adjustments  until  no  further  im- 
provement is  possible.  If  offset  is  not  being  trimmed,  the 
FS  adjustment  completes  the  converter's  calibration. 

FS  Frequency 


FSV,N 

10kHz 

100kHz 

500kHz 

10V 

10V-»-10kHz 
1mV-»-1Hz 

10V-»-100kHz 
1mV-»-10Hz 

10V-*-  500kHz** 
1mV-»-50Hz* 

1V 

1V-»-10kHz 
1mV-»-10Hz 

1V-»-100kHz 
1mV-»-  100Hz 

1V-»-  500kHz** 
1mV>  500Hz* 

lOOmV 

1 00m  V-»- 10kHz 
1mV-»-100Hz 

100mV-»- 100kHz 
1mV-»-1kHz 

100mV-»-  500kHz** 
1mV-»-5kHz* 

Notes 

•Adjust  OFFSET  (if  used)  as  noted. 
** Adjust  FS  cal  as  noted. 


Table  III.  Calibration  Tables  for  Various  Ranges 
Negative  Input  Voltage 

By  interchanging  the  two  input  connections  the  AD654 
can  operate  from  negative  input  voltages,  as  shown  in 
Figure  3.  In  contrast  to  the  connections  of  Figure  2,  this  cir- 
cuit does  nofoffera  high  input  resistance  since  the  entire 
control  current  must  now  be  provided  by  the  source.  Con- 
sequently the  input  resistance  is  simply  equal  to  the  scal- 
ing resistance  Rt  which  is  again  chosen  to  set  up  a  desired 
lt  at  the  FS  input  voltage  in  use.  In  this  example,  a  -  10V 
V|N  is  used  with  a  5V  supply  and  the  FS  frequency  is  1 0kHz. 
Note  that  other  values  of  Rt  can  be  selected  from  Table  I. 

In  this  case,  the  FS  voltage  can  now  be  as  large  as  desired 
since  it  is  limited  neither  by  the  input  amplifier  common 
mode  range,  nor  by  the  supply  voltage.  For  example,  a 
-  100V  FS  input  would  use  a  scaling  resistor  of  100k,  and 
the  AD654  could  still  operate  from  a  +5V  supply  in  the  cir- 
cuit as  shown,  with  only  this  single  change. 

If  it  is  desirable  to  reduce  both  power  consumption  as  well 
as  the  loading  on  the  signal,  a  lower  FS  I,  can  be  used.  For 
example,  a  IMfi  resistor  could  be  used  for  R,  to  convert 
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10R.C, 
AS  SHOWN.  1  -  10kHz 
8Vn>  -10V  {SEE  TABLES) 

"GROUND  PIN  4  DIRECTLY 
FOR  NORMAL  OPERATION 
USE  Rcomp,  Roff  AND  OR 
CN  FOR  ENHANCED  A 
(SEE  TEXT) 


V  V 

Figure  3.  Negative  VtN  Connection,  -lOV/IOkHz 

the  -  100V  input  into  a  100mA  FS  I,  as  noted  in  Table  I.  For 
the  same  FS  frequency  (such  as  1 0kHz  in  this  example)  the 
timing  capacitor  would  then  be  reduced  by  a  factor  of  ten, 
and  would  be  lOOOpF  (Table  II).  The  same  general  consid- 
erations apply  to  this  circuit  with  reference  to  speed  as 
were  applicable  to  the  circuits  of  Figure  2. 

A  point  worth  noting  is  that  when  lower  values  of  I,  are 
used,  not  only  is  power  conserved,  but  a  very  large  input 
over-range  capacity  is  also  provided  (20/1  at  I,  =  100(jlA). 
This  can  be  useful  in  handling  signals  which  may  occa- 
sionally have  large  peak  values. 

When  operating  in  this  general  mode,  pin  4  will  usually  be 
at  ground  potential  or  the  signal  return  level.  This  results 
in  a  current  summing  node  at  pin  3.  Thus,  any  number  of 
signals  may  be  algebraically  added  before  conversion 
and  each  source  may  have  any  desired  scaling  by  appro- 
priate choice  of  the  associated  resistor.  Note  however  that 
it  is  not  fundamentally  necessary  for  pin  4  to  be  ground- 
ed; in  fact  offset  scales  can  be  generated  by  setting  the 
voltage  on  this  pin  to  some  (stable)  level. 

For  lowest  offset  voltage  error,  the  optional  compensa- 
tion resistor  (Rcomp)  can  be  added  at  pin  4  in  lieu  of 
grounding  the  pin  directly.  This  is  not  likely  to  be  neces- 
sary except  on  the  very  lowest  voltage  scales  or  with  high 
values  of  Rt  (above  10kfi).  If  offset  is  to  be  trimmed,  one 
more  resistor  is  added,  Roff-  This  is  selected  to  provide  a 
±1mV  range  at  pin  4,  with  ±1.0V  input.  If  a  resistor  is 
used  for  RComp.  it  may  lead  to  noise  coupling  at  pin  4.  It 
should  be  bypassed  for  lowest  noise,  particularly  in  the 
higher  values,  with  a  capacitor  such  as  CN. 

At  any  time  when  the  inputs  of  the  AD654  are  operated 
from  a  negative  source,  it  is  imperative  that  the  designer 
control  the  potentials  at  pins  3  and  4  with  respect  to  -  Vs 
(pin  5).  Neither  input  should  be  allowed  to  see  voltagesof 
more  than  -  300mVwith  respect  to  pin  5.  If  such  a  condi- 
tion should  occur,  unpredictable  behaviour  of  the  V/Fmay 
result,  and  latchup  may  occur.  With  this  in  mind,  the 
source  to  be  used  should  be  tested  thoroughly  for  any 
possible  over-range  transients  which  could  give  rise  to 
such  input  conditions.  In  the  event  that  transient  be- 
haviour cannot  be  totally  characterized  as  safe,  a  protec- 
tive clamp  diode  can  be  used.  This  clamp,  D1  in  Figure  3, 


is  a  low  leakage  type  with  a  lowforward  threshold  and  will 
provide  adequate  overload  and  latchup  protection  when 
located  after  Rt,  as  shown. 

For  applications  where  the  best  possible  linearity  per- 
formance is  important,  it  is  worth  noting  that  the  linearity 
in  the  negative  input  mode  as  shown  here  is  inherently 
better  than  for  the  positive  voltage  mode  circuits  of  Figure 
2.  This  comes  about  since  the  degrading  effect  of  finite 
common-mode  rejection  inherent  to  that  connection  is 
eliminated.  It  also  allows  the  use  of  the  minimum  supply 
voltage. 

The  design  considerations  and  trimming  procedures  for 
this  circuit  are  otherwise  the  same  as  for  the  positive  input 
voltage  mode.  Similar  allowances  for  component  toler- 
ances should  be  provided  and  stable  components  used 
when  requirements  so  dictate. 

Negative  Input  Current 

In  some  cases  the  input  signal  may  be  in  the  form  of  a 
negative  current  source.  True  current  sources  can  be  han- 
dled in  a  way  somewhat  similar  to  negative  input  volt- 
ages. However,  the  scaling  resistor  is  no  longer  required, 
eliminating  the  capability  of  trimming  the  FS  frequency  in 
this  fashion.  In  fact,  trimming  presents  some  special  prob- 
lems when  the  signal  input  is  a  true  current  source. 

Operating  the  AD654  in  a  current  input  mode  results  in  the 
slightly  modified  transfer  expression: 

I. 


f  = 


10C, 


(4) 


As  equation  (4)  states,  the  output  frequency  is  only  depen- 
dent on  two  variables,  I,  (the  input  current  to  pin  3)  and 
C,.  Since  it  will  not  always  be  practical  to  smoothly  vary 
the  capacitance  for  calibration  purposes,  an  alternative 
scheme  is  needed. 

A  basic  V/F  circuit  suitable  for  operation  from  a  current 
source  with  a  FS  level  of  1mA  is  shown  in  Figure  4.  In  op- 
eration, this  circuit  divides  the  input  current  into  two  main 
paths.  One  path  is  through  the  10011  resistor  R1,  and  flow- 
ing into  pin  3;  it  constitutes  the  signal  current  I,  to  be  con- 
verted. The  second  path,  through  another  100fl  resistor 
R2,  carries  the  same  nominal  current.  Two  equal  valued 
resistors  offer  the  best  overall  stability,  and  should  be 
either  1%  discrete  film  units,  or  a  pair  from  a  common 
array. 

As  a  result  of  the  above,  the  1mA  input  current  is  divided 
into  two  500 n-A  legs,  one  to  ground,  and  one  into  pin  3  of 
the  AD654.  Since  the  total  input  signal  current  (ls)  is  di- 
vided by  a  factor  of  2  in  this  network,  C,  must  be  reduced 
by  a  factor  of  2.  This  results  in  a  new  transfer  expression 
unique  to  this  hookup: 

f  =  4r  (5) 


20C, 


As  can  be  noted  from  the  circuit  values,  a  5000pF 
capacitor  will  provide  a  FS  frequency  of  10kHz  with  a  sig- 
nal input  (lB)  of  1  mA. 

For  calibration  purposes,  resistors  R3  and  R4  are  added  to 
the  network,  allowing  a  ±  16%  trim  of  scale  factor  with  the 
values  shown.  This  will  allow  resistor-only  trim  for 
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Figure  4.  Curren  t  Source  Input  Connection 

calibration  of  all  the  tolerances  previously  discussed.  If 
the  trimming  range  needs  modification,  R4's  value  can  be 
changed.  For  example,  a  current  output  device  such  as  a 
temperature  transducer  will  typically  have  a  specified 
calibration  tolerance,  and  R4  can  be  lowered  to  accommo- 
date this  range. 

For  the  greatest  V/F  dynamic  range,  some  consideration 
to  offset  voltage  should  be  given  when  using  this  circuit. 
Because  of  the  current  fork  input  network,  a  finite  voltage 
offset  in  the  AD654can  actually  result  in  low  frequency  os- 
cillation without  a  signal  present!  This  will  be  understood 
when  the  paths  for  offset  voltage  induced  parasitic  cur- 
rents are  considered.  Practically,  the  solution  to  minimiz- 
ing this  problem  is  to  use  an  offset  null  externally.  The  op- 
tional input  shown  with  the  use  of  R0ff  will  accommodate 
±  1  m V  of  device  offset. 

Care  must  be  taken  when  dealing  with  negative  current  in- 
puts to  this  circuit  for  the  same  general  reasons  as  out- 
lined above  under  negative  voltage  inputs.  Again,  pins  3 
and  4  must  nor  be  allowed  to  see  more  than  -  300m  V  with 
respect  to  pin  5.  In  this  circuit,  the  low  values  of  R1  and 
R2  prevent  this  for  normal  operation  (plus  some  over- 
range).  However,  if  transient  currents  can  produce 
dangerous  voltages,  the  use  of  a  Schottky  clamp  diode  is 
recommended. 

The  values  of  R1-R4  shown  are  suitable  only  for  1mA 
sources,  but  they  can  readily  be  scaled  upward  (propor- 
tionally) for  lower  FS  current  levels.  For  example,  if  one 
had  a  100(iA  source  signal  these  resistors  would  be  in- 
creased by  a  factor  often.  At  a  given  FS  input  current  the 
R1-R2  junction  should  operate  at  about  -50mV.  The 
values  of  these  resistors  should  never  be  set  to  allow 
more  than  lOOmVdropundermaximum  input  conditions. 

Some  General  Precautions  and  Housekeeping 

The  AD654is  intended  to  be  used  with  a  minimum  of  addi- 
tional hardware  and  the  circuits  shown  in  these  notes  are 
for  the  most  part  complete.  However,  the  successful  ap- 
plication of  any  IC  involves  a  good  understanding  of  all 
possible  pitfalls,  and  the  use  of  suitable  precautions 
and  preventions. 


Input  Protection 

In  general,  pins  3  and  4  of  the  AD654  should  never  be  dri- 
ven more  than  300mV  below  -  Vs  (pin  5).  If  done,  this 
could  cause  internal  junctions  to  conduct,  possibly 
damaging  the  IC  or  causing  latchup.  The  AD654  can  be 
protected  from  "below  -  Vs"  inputs  by  suitable  choice  of 
input  resistance  and  a  clamping  diode,  as  discussed  in  the 
basic  applications  section.  The  most  important  require- 
ment of  this  clamp  is  that  it  must  have  a  low  forward 
threshold,  ie.,  300m V.  A  Shottky  type  is  generally  recom- 
mended in  the  figures.  In  some  instances,  where  the 
higher  leakage  may  be  not  be  a  factor,  germanium  types 
may  also  be  useful,  such  as  1 N67, 1 N270,  etc. 

It  is  also  desirable  not  to  drive  pins  3  or  4  above  +  Vs.  In 
operation,  the  converter  will  become  very  nonlinear  for 
voltage  inputs  above  ( +  Vs  -4.0V).  Input  control  currents 
above  2mA  will  also  increase  nonlinearity.  By  carefully 
designing  for  operation  within  the  device's  recom- 
mended limits,  the  user  will  avoid  these  "murky"  areas 
and  assure  the  possible  highest  performance. 

Noise  Filtering 

The  full  rated  80dB  dynamic  range  of  the  AD654  is  for  op- 
eration from  a  control  current  of  1mA  (nominal  FS)  down 
to  lOOnA  (this  is  equivalent  to  a  1mV  input  for  10V  FS).  For 
I,  below  100nA  improper  operation  of  the  oscillator  may 
result,  causing  a  false  indication  of  input  amplitude.  In 
many  cases,  this  phenomenon  might  be  due  to  short  du- 
ration noise  spikes  which  become  added  to  the  input.  For 
example,  when  scaled  to  accept  a  FS  input  of  1V,  -80dB 
is  a  voltage  of  only  100(jlV.  For  the  same  scale,  a  mean 
input  of  -60dB  is  ImVand  noise  spikes  of  only  0.9mVare 
sufficient  to  cause  momentary  malfunction. 

This  particular  problem  can  be  minimized  by  using  a  sim- 
ple low  pass  filter  ahead  of  the  converter.  In  fact,  in  any 
case  where  low  scale  operation  is  expected,  filtering/ 
bypassing  around  the  inputs  is  recommended.  For  a  FS  of 
10kHz,  a  single  pole  filter  with  a  time  constant  of  100ms 
will  be  suitable.  As  noted  in  the  examples,  this  resistor  can 
also  serve  as  a  bias  compensation  resistance,  enhancing 
accuracy  there  as  well.  Note  that  filtering  within  the  signal 
path  is  also  applicable  to  the  negative  input  voltage  mode, 
simply  by  splitting  R,  into  two  parts  with  the  midpoint 
bypassed  by  a  capacitorto  analog  ground. 

Of  course,  the  optimum  filtering  configuration  will  de- 
pend on  the  application  and  the  type  of  signal  processing. 
Noise  spikes  are  only  likely  to  be  a  cause  of  error  when  the 
input  current  remains  near  its  minimum  value  for  long 
periods  of  time.  Above  lOOnA  (1mV)  inputs,  full  integra- 
tion of  additive  input  noise  occurs. 

The  AD654  is  somewhat  susceptible  to  interference  from 
other  external  signals.  The  most  sensitive  nodes  (besides 
the  inputs)  are  the  capacitor  terminals.  The  timing 
capacitor  should  be  located  as  close  as  possible  to  the 
AD654  package  to  minimize  signal  pickup  in  the  leads.  In 
some  cases,  guard  rings  or  shielding  may  be  required.  Of 
these  two  precautions,  guarding  is  the  easier  to  imple- 
ment as  the  package  layout  normally  will  guard  pins  6-7 
with  pin  5  grounded  and  pin  8  to  +  Vs  (ac  ground). 
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The  latter  technique  (shielding)  is  not  likely  to  be  neces- 
sary except  with  the  use  of  higher  value  film  capacitors 
which  can  be  quite  large  physically.  It  is  usually  desirable 
to  minimize  capacitor  size,  not  only  from  a  noise  suscepti- 
bility point  of  view,  butalso  from  a  cost  standpoint. 

Decoupling 

It  is  generally  good  engineering  practice  to  use  bypass 
capacitors  on  the  device  supply  voltage  pins  and  to  insert 
small  valued  resistors  (10  to  1000)  in  the  supply  lines  to 
provide  a  measure  of  decoupling  between  the  various  cir- 
cuits in  a  system.  For  local  bypasses  at  the  IC  terminals, 
ceramic,  stacked  film,  or  other  comparably  low-induc- 
tance capacitors  in  the  0.1  jjlF  to  1.0|iF  range  are  recom- 
mended in  parallel  with  a  low  ESR  electrolytic  capacitor 
(0.111  or  less  at  100kHz).  Note  also  that  three  terminal  reg- 
ulators are  excellent  spot  decouplers  and  available  in  high 
performance-for-costTO-92  packages. 

Finally,  it  should  be  understood  that  proper  attention  to 
grounding  at  the  analog  and  digital  common  points  is  a 
large  part  of  successful  operation  of  AD654  circuits.  The 
digital  and  analog  grounds  should  be  connected  at  a 
single  point  to  minimize  the  cross-coupling  of  currents 
and  spurious  error  voltages.  The  floating  output  structure 
of  the  device  goes  a  long  way  towards  this  but  careful  wir- 
ing should  always  be  done,  particularly  where  the  accu- 
racy required  is  high. 

TIMING  COMPONENT  CONSIDERATIONS 
Temperature  Stability 

The  stability  of  the  AD654's  output  frequency  is  deter- 
mined by  several  factors.  Broadly  speaking,  they  can  be 
grouped  into  offset  drift  and  scale  drift,  or  the  TC  of  these 
parameters.  Fortunately,  the  design  of  the  AD654  is  such 
that  the  amplifier's  input  offset  drift  is  very  small  (in  the 
4(jlV/°C  region).  Unless  the  circuit  is  to  be  connected  for 
operation  from  very  low  signal  levels,  this  will  rarely  be 
a  significant  source  of  instability. 

Temperature  induced  changes  in  the  conversion  scale 
factor  include  sources  of  more  serious  error.  Scaling  drifts 
arise  both  in  the  AD654  itself  and  in  the  external  timing  re- 
sistor and  capacitor.  Inasmuch  as  the  AD654  commercial 
temperature  range  scale  drift  is  typically  ±  50ppm/°C,  the 
external  timing  components  can  in  many  cases  contribute 
larger  TC's.  Both  Ft,  and  C,  should  be  selected  for  a  quality 
consistent  to  the  particular  application.  In  practice,  it  is 
more  likely  to  be  the  external  R,  and  C,  components  which 
most  seriously  degrade  stability  over  temperature,  par- 
ticularly the  capacitors. 

The  best  choice  for  a  timing  capacitor  is  dependent  on  a 
number  of  parallel  performance  considerations  and  of 
course,  cost.  As  always,  careful  tradeoffs  should  be  made 
to  match  the  best  performance  parameters  to  the  particu- 
lar application.  This  is  especially  true  for  timing  compo- 
nents used  with  the  AD654. 

Good  V/F  linearity  definitely  requires  the  use  of  a 
capacitor  with  low  dielectric  absorption  (DA),  while  the 


most  stable  operation  over  temperature  calls  for  a  com- 
ponent having  a  small  temperature  coefficient.  NPO 
ceramic,  polypropylene.  Teflon,  and  polystyrene 
capacitors  as  a  rule  best  serve  these  two  needs.  These 
types  should  be  the  components  of  first  choice.  Mica  and 
polycarbonate  dielectrics  are  less  desirable  due  to  linear- 
ity degradation.  Linearity  and  stability  are  generally  de- 
graded with  most  other  types.  Capacitor  tolerance  is 
not  a  major  factor  since  it  should  be  trimmed  out  as 
part  of  the  calibration.  5%  units  are  assumed  for  these 
applications. 

Polystyrene  types  have  very  low  DA  and  reasonably  low 
TC  (typically  =-120ppm/°C,  this  varies  somewhat  with 
processing),  low  cost,  and  reasonable  size.  The  TC  of 
polystyrene  is  also  very  linear,  allowing  compensation 
with  a  positive  TC  resistor.  Polypropylene  is  similar,  but 
with  a  wider  range  of  values.  Film  types  such  as  polyp- 
ropylene are  available  in  values  up  to  or  more.  Tef- 
lon is  superior  in  almost  all  regards  (except  cost),  and  will 
be  unmatched  for  operation  over  100°C.  "NPO"  or  "COG" 
characteristic  ceramic  capacitors  are  the  most  desirable 
from  the  mutual  standpoints  of  size,  low  TC  (nominally 
zero),  and  a  reasonably  low  DA.  While  the  DA  of  this  type 
is  not  as  low  as  the  better  films  (and  it  is  not  manufacturer 
controlled  ...  a  potential  caveat),  is  still  low  enough  to  be 
very  effective,  particularly  where  the  lowest  TC  is  of 
paramount  importance.  Any  other  ceramic  type  should  be 
avoided  fortiming  uses. 

For  the  scaling/timing  resistor,  the  selection  problem  is 
much  less  severe.  For  most  applications,  metal  film  resis- 
tors are  recommended,  as  they  are  available  off  the  shelf 
in  a  wide  range  of  values,  and  with  TC's  down  to  50ppm/°C 
(or  less). 

In  any  event,  when  the  lowest  temperature  errors  are  re- 
quired of  an  AD654  circuit,  care  should  be  taken  to 
minimize  unnecessary  heat  sources,  and  keep  all  temper- 
ature sensitive  components  in  close  proximity  to  one 
another.  For  the  most  critical  applications,  RC  compo- 
nents with  nominally  zero  or  the  lowest  available  TC's  can 
be  used.  This  would  suggest  25  or  50ppm/°C  film  resis- 
tances, and  COG  ceramic  capacitors,  which  will  minimize 
the  timing  component  error.  The  ultimate  in  TC  perform- 
ance can  be  achieved  only  through  rigorous  attention  to 
all  temperature  related  factors.  Application  examples  will 
illustrate  this. 

Other  Capacitor  Considerations 

Since  the  voltage  on  the  AD654's  capacitor  reverses  po- 
larity every  half  cycle,  nonpolarized  types  must  be  em- 
ployed. For  use  at  very  low  FS  frequencies,  this  becomes 
a  problem  in  terms  of  both  size  and  cost.  This  will  gener- 
ally rule  out  electrolytic  types  for  precision  applications. 

As  a  practical  note,  if  the  maximum  V/F  dynamic  range  is 
not  absolutely  necessary  to  a  given  application,  the 
capacitor  size  can  be  minimized  by  operating  with  a  re- 
duced FS  current  (rather  than  1mA).  For  example,  a  10/1 
increase  in  R,  will  reduce  this  current  and  allow  a  10/1  re- 
duction in  C,  for  the  same  FS  frequency.  Tables  I  and  II  will 
be  helpful  in  making  this  type  of  tradeoff . 
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Output  Interfacing 

The  AD654's  logic  output  stage,  available  at  pins  1-2,  is 
designed  to  interface  easily  with  all  digital  logic  families. 
This  includes  LED's  (for  optical  coupling),  pulse  transfor- 
mers, and  long  lines.  Due  to  the  internal  floating  drive 
scheme,  both  the  collector  (1)  and  the  emitter  (2)  of  the 
stage's  NPN  transistor  are  available  for  external  discre- 
tionary uses.  The  emitter  can  be  tied  to  any  potential  from 
(  +  Vs-4V)  down  to  -  Vs,  and  the  collector  can  be  pulled 
up  to  36V  above  the  emitter  (regardless  of  the  +VS  level 
applied  to  pin  8). 

Logic  Driving 

Figure  5a  shows  the  AD654  connected  for  a  0  to  +  10V 
voltage  input  with  general  output  interfacing.  The  re- 
quired logic  common  voltage  (VEE),  the  logic  supply  volt- 
age (VCc),  the  pull  up  resistor  (RL),  and  the  -  Vs  supply  for 
the  AD654  are  shown  in  the  accompanying  table.  The  user 
can  design  an  appropriate  interface  by  selecting  the  prop- 
er set  of  conditions  from  this  table.  In  the  TTL  mode,  up 
to  12  standard  gates  (20mA)  can  be  driven  at  a  maximum 
LOW  state  voltage  of  0.4V.  This  output  flexibility  is  avail- 
able with  all  the  other  possible  input  connections  not 
explicitly  shown. 

The  AD654  output  stage  is  current  limited,  and  the  collec- 
tor node  (pin  1)  can  be  shorted  indefinitely  to  pin  2  (nor- 
mally logic  ground).  When  this  point  is  shorted  to  +Vs, 
the  current  in  the  ON  state  (if  not  limited  by  any  external 
means)  will  be  approximately  35mA.  Under  most  condi- 
tions this  will  not  result  in  damage. 

As  an  example,  with  pin  2  grounded,  pin  1  shorted  to 
+  15V,  and  the  oscillator  running,  the  average  power  in 
the  output  stage  is  262. 5mW  (15Vx  35/2  mA;  at  a  5V  sup- 
ply it  will  be  1/3  this  power).  If  however,  a  high  supply  volt- 
age is  used  on  the  logic  stage  and  the  output  is  in  the  ON 
state  for  long  periods  (i.e.,  at  a  low  frequency/long 
period),  the  peak  dissipation  of  1260mW  (36x35)  will 
cause  considerable  heating.  It  is  recommended  that  this 
situation  be  avoided  for  prolonged  periods  of  time,  par- 
ticularly with  the  plastic  package  device. 

While  the  AD654  has  ample  drive  for  lower  frequency  TTL 
loads,  at  frequencies  above  a  few  hundred  kHz  it  can 
begin  to  lose  square  wave  symmetry  and  logic  saturation. 
For  operation  above  200kHz  into  TTL  or  other  logic  type 
loads  a  buffer  is  recommended,  as  shown  in  Figure  5b. 

Phantom  Power  Schemes 

It  is  very  often  desirable  to  power  a  remotely  located  V/F 
circuit  via  a  simple  cable  hookup  while  taking  the  output 
signal  from  the  same  cable.  Whenever  possible,  it  is  also 
useful  to  use  the  most  simple  cabling,  such  as  a  plain  #22 
twisted  pair.  Concurrent  power/signal  transmission  on 
the  same  cable  implies  suitable  separation  circuitry  so 
that  no  loss  of  performance  results.  Two  circuits  suitable 
for  phantom  power  of  AD654  V/F  converters  are  shown  in 
Figure  6. 

Figure  6a  is  a  simple  but  effective  hookup  useful  for  inter- 
facing with  a  variety  of  logic  types  at  the  output.  The  posi- 
tive supply  line  is  fed  to  the  remote  V/F  cable  through  R1 . 
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a.  Standard  Interfacing 

+  5V 


b.  High-Speed  TTL  Output  Buffer 
Figure  5.  Interfacing  with  Standard  Logic 

This  resistor  is  selected  such  that  the  quiescent  current  of 
the  AD654  will  cause  less  than  one  VBe  to  be  dropped.  As 
the  V/F  oscillates,  additional  switched  current  is  drawn 
through  RL  at  pin  1.  The  peak  level  of  this  additional  cur- 
rent causes  Q1  to  saturate,  and  thus  regenerates  the 
AD654's  output  square  wave  at  the  collector.  In  the  proc- 
ess of  supplying  power  to  the  AD654,  the  supply  voltage 
is  reduced  one  V  be  plus  the  line  drop. 

To  set  up  the  receiver  circuit  for  a  given  voltage  the  Rsand 
RL  resistances  are  selected  as  appropriate  from  the  table. 
CMOS  logic  stages  can  be  driven  directly  from  the  collec- 
tor of  Q1  for  any  supply  level.  A  single  TTL  load  can  be  dri- 
ven from  the  junction  of  Rs  and  R2. 

At  the  V/F  end  it  should  be  noted  that  the  reduction  of  the 
supply  voltage  to  the  V/F  also  reduces  the  input  range,  by 
about  0.7V.  This  will  reduce  the  input  range  to  about  0.3V 
(max)  for  a  5V  supply.  The  quiescent  power  of  the  V/F 
should  be  minimized  by  operating  it  with  an  I,  of  100n.A 
and  careful  controlling  any  additional  power  loading.  Be- 
cause of  these  power  supply  restrictions,  this  type  of  cir- 
cuit is  best  suited  for  those  types  of  sources  or  transduc- 
ers where  little  or  no  additional  power  support  is  needed. 
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a.  Simple  Phantom  Power  Driver 


b.  Phantom  Power  Driver/Regulator 
Figure  6.  Phantom  Power  Schemes 


Figure  6b  solves  the  problem  of  additional  power,  and 
adds  considerable  flexiblity  to  the  application  at  both  the 
transmitter  and  receiver  locations. 

By  inserting  a  regulator  IC  (A2)  between  the  V/F  output 
and  the  receiver  input,  two  things  are  achieved.  First,  the 
supply  voltage  to  the  V/F  and  the  surrounding  circuitry  is 
buffered  and  regulated  to  a  reference  quality  level.  This  al- 
lows additional  precision  circuitry  support  to  be  added 
with  relative  freedom.  Second,  the  V/F  square  wave  out- 
put delivered  to  the  receiver  (in  current  form)  is  also  regu- 
lated providing  independence  from  power  supply 
changes  and  noise  pickup  in  the  cable. 

In  the  receiver  circuit  several  functions  are  performed.  DC 
power  is  coupled  to  the  transmitter  via  LED,  (green),  and 
low  resistance  choke  L,.  The  choke  allows  slowly  varying 
or  static  DC  curents  to  pass  without  developing  any  size- 
ableterminal  voltage. 

On  the  other  hand,  the  faster  edges  corresponding  to  the 
V/F  square  wave  develop  a  pulsed  waveform  across  U, 
which  is  passed  to  the  comparator  A3.  This  stage  re-con- 
stitutes the  original  square  wave  at  the  output  with  15V 
levels. 

The  circuit  as  shown  is  suitable  for  operation  up  to  10kHz, 
and  will  operate  at  least  three  decades  lower.  In  this  ex- 


ample, the  5V  reference  output  is  divided  down  to  0.5V 
and  applied  to  a  10k  linear  potentiometric  transducer.  The 
variable  output  of  this  pot  is  the  V/F  input,  and  FS  calibra- 
tion is  done  by  trimming  the  terminal  voltage  via  R2. 

Load  resistor  RL  sets  the  output  current  level  of  the  V/F  to 
a  nominal  2.5mA.  If  the  supply  voltage  of  the  V/F  should 
be  changed,  the  resistor  should  be  adjusted  to  maintain 
this  same  current.  This  point  suggests  the  versatility  of 
the  circuit,  as  the  AD584  reference  IC  can  be  programmed 
for  either  5V  or  10V.  It  could  also  be  set  for  2.5V,  but  this 
will  not  be  useful  to  the  AD654  (nevertheless,  this  tap  is 
still  available  at  pin  3,  and  can  be  used  for  bias  or  multiple 
reference  uses).  For  any  given  output  voltage  program- 
med into  A2,  about  3V  of  headroom  should  be  maintained 
for  proper  regulation. 

Avery  wide  range  of  other  circuits  can  be  driven  from  A2's 
output,  particularly  if  a  buffer  output  option  is  used.  The 
output  will  be  5V  ±  15mV,  at  a  TC  of  30ppm/°C  or  better 
using  the  AD584J.  Of  course  the  same  general  principle 
of  three  terminal  regulation  can  be  employed  with  one  of 
the  more  utilitarian  regulator  IC's  if  a  precise  output  is  not 
required.  No  additional  load  can  be  allowed  to  pulse  load 
A2.  If  this  were  to  be  permitted,  the  step  change  in  output 
current  would  confuse  the  receiver  and  generate  errone- 
ous output  data. 
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There  are  often  instances  where  a  stable  reference  volt- 
age is  necessary  for  bias,  offset,  or  the  establishment  of 
scaling  in  a  V/F  application.  Figure  7  illustrates  several 
techniques  which  are  useful. 

Figure  7a  is  a  simple  1.235V  reference  using  the  AD589, 
a  bandgap-based,  low  power  reference  diode.  The  low 
terminal  voltage  allows  use  from  supplies  down  to  5V, 
therefore  this  type  of  circuit  is  applicable  to  virtually  any 
AD654  use. 

Figure  7b  shows  how  appreciably  higher  source  currents 
can  be  provided  from  a  given  reference  source.  It  is  appli- 
cable to  either  a  basic  1 .2V  source  (7a),  or  an  optional  5V 
source  (such  as  6b).  In  either  case,  the  output  is  1V  at  a 
low  impedance  level,  so  several  mA  can  be  sourced  for 
driving  bridge  transducers,  servo  pots,  etc. 

Negative  bias  voltage  from  a  positive  supply  is  a  problem 
that  can  be  handled  with  a  simple  dc/dc  converter  when 
the  overall  load  power  is  low.  An  example  is  shown  in 
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Figure  7.  Reference  Circuitry 
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This  circuit  is  an  8kHz  inverter  using  CMOS  inverters  and 
an  output  p-p  detector.  With  a  5V  supply,  it  will  develop 
a  -3V  output  capable  of  1-2mA  drain.  Regulation  as 
shown  is  relatively  poor,  but  can  be  optionally  improved 
by  using  spare  inverter  sections  to  provide  full  wave 
rectification  (shown  dotted).  If  a  negative  reference  poten- 
tial is  required  a  1.2V  reference  diode  can  be  used,  as 
shown. 

An  input  decoupling  filter  for  the  inverter  is  shown  (RD- 
C1),  which  will  minimize  the  potential  for  noise  to  be  in- 
jected back  into  the  +5V  supply. 

Signal  Multiplexing 

When  a  variety  of  transducers  are  required  to  interface 
with  a  common  data  acquisition  system,  one  solution  is 
to  use  separate  instrumentation  amplifiers  for  each  chan- 
nel, followed  by  an  analog  multiplexer  which  drives  a 
(single)  V/F  converter.  However,  in  many  cases  a  more 
economic  solution  may  be  realized  by  using  a  dedicated 
AD654  per  channel  and  multiplexing  these  outputs  digi- 
tally. Such  a  circuit  is  shown  in  Figure 8. 

The  open  collector  feature  of  the  AD654  makes  this  easy 
to  implement.  In  this  application,  all  the  V/F  circuits  oper- 
ate continuously  and  can  have  a  variety  of  input  scales. 
For  a  measurement,  only  the  V/F  device  having  its  output 
emitter  pin  grounded  (2)  through  the  "n"  decoder  (or 
other  digital  switching  element)  actually  transmits  an  out- 
put. Note  that  the  common  V/F  supply  voltage  must  be 
high  enough  to  accommodate  the  highest  individual  posi- 
tive input  voltage.  Vcc  can  be  any  appropriate  logic  level, 
andean  be  different  from  +VS,  if  necessary. 


Figure  8.  Signal  Multiplexing 
Transformer  Coupling 

Coupling  a  V/F  output  signal  between  two  isolated  logic 
grounds  via  a  pulse  transformer  can  be  both  economical 
as  well  as  useful  for  frequencies  up  to  about  1 0kHz.  An  ex- 
ample of  a  IV/IOkHz  transformer  coupled  V/F  is  shown  in 
Figure  9. 

In  this  circuit  the  AD654  is  operated  at  an  I,  of  100liA  in 
order  to  minimize  power  consumption,  a  factor  important 
for  many  isolated  power  hookups.  T1  is  a  miniature, 
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printed  circuit  mount  telecommunications  type  1:1  isola- 
tion transformer  operated  in  a  pulsed  mode. 

The  V/F  produces  an  output  square  wave,  which  is  shaped 
into  negative  going  pulses  by  the  low  power  CMOS  logic 
for  each  transition.  The  pulses  are  easily  transmitted 
across  the  transformer's  isolation  barrier,  even  at  the  ex- 
tremely low  frequencies  which  are  well  outside  the  trans- 
former's normal  bandwidth. 

At  the  secondary  side,  bias  is  applied  to  one  end  of  the 
transformer  and  coupled  to  a  CMOS  Schmitt  type  inver- 
ter. The  hysteresis  of  this  stage  provides  noise  immunity 
as  well  as  the  necessary  latching  function  to  transform  the 
alternate  ( + )  and  ( - )  pulses  back  into  a  square  wave. 

The  supply  voltage  shown  for  the  AD654  is  +  9V  and  is  an 
example  of  a  low  power  circuit  compatible  with  a  simple 
isolated  dc/dc  converter  or  a  low  cost  battery.  Other  sup- 
ply voltages,  consistent  with  the  CMOS  logic,  can  be  used 
if  the  drive  to  T1  is  maintained  ata  high  level. 
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Figure  9.  Transformer  Signal  Isolation 


Optoisolator  Coupling 

A  very  popular  method  of  isolated  signal  coupling  is  via 
optoelectronic  isolators,  commonly  called  optoisolators 
or  optocouplers.  In  this  type  of  device,  the  signal  is 
coupled  from  an  input  LED  to  an  output  photo-transistor 
or  photo-diode,  with  light  as  the  connecting  medium.  This 
technique  allows  DC  to  be  transmitted,  and  is  extremely 
useful  in  overcoming  ground  loop  problems  between 
equipment.  It  is  also  applicable  over  a  wide  range  of 
speeds  and  power.  In  fact,  a  very  large  percentage  of  V/F 
applications  can  potentially  be  useful  with  opto  or  other 
types  of  isolated  coupling,  so  a  number  of  useful  circuit 
examples  are  given. 

General  Purpose,  Medium  Speed 

General  purpose  versions  of  optocouplers  abound,  using 
infrared  LED's  for  input  and  photo-transistors  for  output. 
This  type  is  very  cost-effective  for  general  purpose  work 
and  can  be  useful  up  to  about  100-200kHz  with  proper  in- 
terfaces. Higher  speed  devices  are  also  available  for  appli- 
cations up  to  as  high  as  1MHz  or  more.  The  tradeoff  be- 
tween the  two  classes  is  generally  cost,  which  is  relatively 
high  forthe  higher  speed  units. 

Figure  10a  shows  a  general  purpose  isolated  V/F  circuit 
using  a  4N37  opto-isolator.  A  +5V  power  supply  is  as- 
sumed for  both  the  isolated  (  +  5V  ISOLATED)  and  local 
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a.  Medium  Speed,  General  Purpose  (100kHz) 


+5V  +5V 


a  1.  TTL  Output  Buffer  a2.  CMOS  Output  Buffer 

(Diode  Mode) 


( +  5V  LOCAL)  supplies.  The  input  LED  of  the  isolator  is  dri- 
ven from  the  collector  output  of  the  AD654,  with  a  9mA 
current  level  established  by  R4  for  high  speed  as  well  as 
for  a  100%  current  transfer  ratio  (CTR). 

At  the  receiver  side,  the  output  transistor  is  operated  in 
the  photo-transistor  mode;  that  is,  with  the  base  lead  (pin 
6)  open.  This  allows  the  highest  possible  output  current. 
However,  for  reasonable  speed  in  this  mode  it  is  impera- 
tive that  the  load  impedance  be  as  low  as  possible.  A 
single  transistor  stage  current-to-voltage  converter  does 
this,  providing  a  dynamic  load  impedance  of  less  than 
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1 0n  and  interfaces  with  TTL  at  the  output.  Q1  is  this  stage 
and  achieves  2^s  (typical)  delay  times  for  both  the  ON  and 
OFF  transitions.  This  allows  the  stage  to  be  useful  to  as 
high  as  100kHz.  The  circuit  values  around  the  V/F  are  for 
100kHz,  but  other  input  configurations  can  be  used. 

In  the  circuit  of  Figure  10a,  the  values  around  the  4N37  are 
optimized  for  speed  at  the  expense  of  power.  If  simplicity 
or  lower  power  operation  is  desired,  alternate  output  side 
buffer-interface  connections  can  be  used.  For  a  simple  (al- 
beit slower)  TTL  buffer  the  hookup  of  Figure  10a1  can  be 
used.  If  low  power  is  key,  Figure  10a2  is  suitable.  Both 
stages  provide  TTL  or  CMOS  5V  output  levels,  and  should 
use  Schmitt  type  amplifiers  for  the  fastest  output  transi- 
tions and  the  nonambiguous  switching  of  downstream 
logic  stages. 

Highspeed 

For  isolated  V/F  uses  appreciably  above  100kHz,  an  op- 
tocoupler  specified  for  high  speed  is  the  best  choice.  This 
can  be  achieved  several  ways,  including  user-designed 
high-speed  photo-diode  type  isolators  with  high-speed 
output  buffers,  or  complete  integral-buffer  high-speed 
TTL  output  optoisolators  such  as  the  6N137  types.  Of 
these  two,  the  former  is  illustrated  below. 
Figure  10b  shows  how  an  isolated  photo-diode  V/F  output 
coupler  suitable  for  a  FS  frequency  of  up  to  1  MHz  can  be 
implemented.  In  this  circuit,  a  high-speed,  separate 
photo-diode/transistor  optoisolator  is  used  (the  6N136). 
For  this  particular  use,  the  6N1 36's  internal  transistor  buf- 
fer is  not  used,  but  the  high-speed  diode  between  pins  7-8 
is  applied  to  take  advantage  of  the  low  inherent  delays. 
The  V/F  portion  to  the  left  is  a  - 1 0V,  200  or  500kHz  FS  cir- 
cuit using  the  AD654  from  an  isolated  +  5 V  supply  with  a 
1 6mA  output  drive.  Other  input  arrangements  can  also  be 
used,  however  the  input  mode  used  here  allows  the 
maximum  V/F  linearity  to  be  achieved.  The  AD654's  I, 
should  be  set  at  no  lowerthan  1mA for  best  speed  and  the 
Q1  output  driver  stage  for  the  LED  is  recommended.  The 
V/F  can  be  easily  set  up  for  either  200  or  500kHz  FS  opera- 
tion as  shown  in  the  table.  The  best  overall  linearity  will 
be  attained  at  a  200kHz  FS  and  it  can  be  lower 
than  0.1%. 

At  the  receiver,  resistors  R8-R9  act  as  a  differential,  low 
impedance  load  resistance  for  the  photo-diode  which  is 
operated  in  a  photo-voltaic  mode.  A3,  a  standard  31 1  type 
comparator,  regenerates  the  logic  state  of  the  diode,  pro- 
ducing 5V  TTL  levels  at  its  output.  The  stage  has  ON  and 


OFF  delays  of  about  200ns  (or  less).  Thus,  it  is  useful  at 
speeds  up  to  1MHz  or  higher,  depending  upon  the  com- 
parator used.  The  31 1  is  the  upper  speed  limit  to  this 
coupler.  However,  even  the  general  purpose  31 1  is  capa- 
ble of  tracking  the  AD654  speed  at  500kHz  and  its  single 
5V  supply  operation  is  attractive  for  reasons  of  simplicity. 

Note  that  the  6N1 36  coupler  also  allows  the  more  conven- 
tional use  by  applying  the  photo-diode  output  current  to 
the  built-in  NPN  transistor  as  a  saturated  logic  stage.  This 
mode,  which  is  an  alternate  option  for  this  circuit,  is 
shown  in  detail  in  the  inset.  It  is  attractive  for  intermediate 
speeds,  delays  on  the  order  of  1ns  or  less,  since  it  does 
not  require  the  comparator  stage  used  here.  Note  that  a 
Schmitt  type  TTL  buffer  is  still  r 


Single-Supply  Bipolar  V/F 

In  many  applications  using  the  AD654,  a  +  5V  power  sup- 
ply may  be  the  only  power  supply  available.  This  makes 
it  a  challenge  to  process  bipolar  signal  inputs  without 
generating  additional  supply  voltage(s).  Figure  11  illus- 
trates a  novel  circuit  which  can  in  fact  processes  inputs  of 
±  10V,  with  a  +5V  supply  on  the  AD654. 

The  bipolar  input  capability  is  achieved  by  A2-a,  a  preci- 
sion rectifier  stage  which  scales  a  1 0V  input  to  + 1 V  across 
R3.  A2-b  detects  the  SIGN  of  the  input  and  is  HIGH  for 
positive  inputs.  The  1 V  scaled  output  from  A2a  is  always 
positive  and  is  fed  to  the  AD654  ( + )  input,  with  optional 
noise  filtering  by  C3. 

The  V/F  is  scaled  for  a  10kHz  FS  frequency  with  a  10V 
input.  If  desired,  compensation  for  rollover  error  (gain  dif- 
ference between  equal  magnitude  positive  and  negative 
inputs)  can  be  added  by  trimming  R3  for  a  positive  gain 
equal  to  the  negative  gain.  R12  sets  overall  scale  factor 
(adjusted  for  1 0kHz  with  - 1 0V  input). 

The  SIGN  output  is  handled  in  a  novel  manner,  allowing 
both  frequency  and  SIGN  to  be  transmitted  on  the  same 
serial  cable.  The  output  from  the  AD654  is  steered  by 
gates  A3-b  and  A3-c,  which  are  controlled  by  the  sign  bit. 
For  a  given  sign,  one  of  the  one  shots  will  be  triggered  and 
combined  by  gate  A3-d.  The  resulting  output  pulse  train 
follows  the  input  frequency,  but  with  a  pulse  width  en- 
coded for  the  sign.  A  width  of  38y.s  corresponds  to  a  nega- 
tive input  sign,  while  65p.s  indicates  a  positive  input. 

At  the  decoder,  the  logic  simply  clocks  a  D  flop  S0p.s  after 
the  leading  edge,  decoding  a  one  for  a  positive  sign,  and 


lighting  the  indicator. 


SIGN  ENCODER 


Figure  11.  Single-Supply  Bipolar  V/F with  Encoded  Sign 
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This  circuit  is  designed  for  a  basic  range  of  ±  0.5V,  as  seen 
at  the  AD654's  ( + )  input.  This  is  raised  to  ±  1 V  by  the  input 
divider,  allowing  trim  of  span  or  alternate  input  scaling 
(shown  here  as  a  1 0V option). 

The  basic  frequency  for  zero  input  is  defined  by  the  quies- 
cent offset  current,  which  is  derived  from  a  negative  refer- 
ence of  1.235V,  A2.  Since  the  timing  resistance  will  drop 
1 .235V  for  a  zero  voltage  input,  1 .235V  becomes  the  effec- 
tive V|N  for  the  calculation  of  center  frequency.  Ct  is  cho- 
sen in  a  conventional  manner.  Note  that  for  best  stability 
an  NPO  type  should  be  used.  While  the  linearity  will  not 
be  as  low  as  that  of  polystyrene,  little  difference  will  be 
seen  in  this  application,  since  the  oscillator  always  sees 
a  relatively  narrowfrequency  range. 
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Figure  12.  Offset  Operation,  ±  1V(or±10V)FS 


In  this  example,  10kHz  is  the  center  frequency  and  a  ±  1 V 
input  swings  the  frequency  ±5kHz  (15kHz  to  5kHz).  The 
frequency  swing  sensitivity  is  set  by  the  R1/R2  ratio  which 
scales  the  AD654  input  to  ±  0.61 75V.  This  in  turn  changes 
the  cu  rrent  i  n  R,  ±  1 35|xA  f or  ±  5kHz. 

An  offset  scaled  V/F  such  as  this  is  a  convenient  method 
of  transmitting  ac  or  bipolar  data  without  the  complica- 
tion of  sign  bits  and  zero  crossing  detectors.  The  data  can 
be  recovered  at  the  receiver  site  via  an  F/V  converter  and 
ac  coupling  (see  Figure  20),  or  via  an  FM  discriminator 
system. 

Thermocouple  Source  Temperature-To-Frequency 

Figure  13  illustrates  another  method  of  offset  scale  opera- 
tion, one  very  much  related  to  the  more  general  scheme 
of  Figure  1 2.  In  this  case,  the  signal  source  to  the  V/F  is  the 
AD594  (AD595)  thermocouple  signal  conditioner,  allow- 
ing measurement  of  temperatures  with  either  a  type  J  or 
type  K  thermocouple.  In  this  application  bipolar  supplies 
are  again  assumed  to  be  ±5V. 
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span,  i  ne  alos^o)  part  oi  ine  circuit  consists  only  or  t\z 
and  the  thermocouple  ground  return  resistor,  R3.  All  the 
amplification  and  offset  necessary  is  within  A2,  which  op- 
erates from  ±  5V  supplies.  The  A2  output  signal  is  fed  di- 
rectly to  the  AD654  through  a  low  pass  filter,  R1 -C1 . 

The  basic  frequency  for  a  zero  °C  input  is  defined  by  the 
AD654  quiescent  timing  offset  current,  which  is  derived 
from  a  negative  reference  of  1 .235V,  A3.  The  timing  resis- 
tance will  drop  1 .235V  for  a  zero  voltage  V/F  input  and  this 
part  of  the  circuit  is  otherwise  similar  to  Figure  12.  With 
the  values  shown  for  R2  and  C,,  the  output  frequency  be- 
comes 4574Hz,  at0°C. 


Figure  13.  Thermocouple  Source  Offset  V/F 

As  can  be  noted,  this  circuit  has  no  calibration  provision. 
It  is  intended  to  be  used  with  an  F/V  converter  in  order  to 
trim  the  output  voltages  for  zero  and  full  scale  tempera- 
tures. Used  with  the  AD650  or  a  similar  F/V  and  followed 
by  a  differential  amp  to  shift  zero  scale  to  zero  volts  dc, 
trim  can  be  easily  accomplished.  The  F/V's  full  scale  cali- 
bration is  used  for  the  high-temperature  calibration  point 
and  the  differential  amplifier  offset  for  zero  (at  0°C,  or 
freezing). 

Resistive  Transducer  Interfaces 

With  the  wide  dynamic  range  of  control  inherent  to  the 
AD654,  it  functions  very  well  as  an  A/D  conversion  device 
to  read  out  linear  resistive  transducers,  such  as  servo- 
pots,  etc.  A  basic  scheme  to  accomplish  this  is  shown  in 
Figure  14. 

This  circuit  simply  applies  a  stable  dc  reference  voltage  on 
the  order  of  + 1 V  across  the  pot.  With  a  stable  excitation 
on  the  pot,  the  output  voltage  will  represent  the  product 
of  the  fractional  rotation  a  and  VREF-  Since  VREF  is  unity, 
the  output  frequency  is,  therefore,  directly  proportional  to 
a,  as  shown  by  the  expression. 

The  major  V/F  conversion  error  of  this  circuit  will  likely  be 
that  of  the  AD654's  basic  nonlinearity,  which  can  be  0.1% 
(or  better).  With  a  50k  pot,  the  worst  case  bias  current  in- 
duced error  will  be  seen  at  mid  scale,  but  this  still  will  be 
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Figure  14.  Resistive  Transducer  Interfacing 

typically  under  1mV.  With  the  values  as  shown,  the  full 
scale  frequency  is  250kHz  when  a  is  unity. 

To  implement  this  type  of  circuit,  virtually  any  stable  IV 
reference  source  can  be  used  but  the  output  impedance 
should  be  low.  This  is  important,  to  minimize  the  possible 
variations  of  the  reference  source  with  variable  pot  load- 
ing. A  buffered  reference  (such  as  Figure  7b)  is  therefore 
suggested.  Reference  voltages  higher  than  1V  can  be 
used  if  the  AD654  is  powered  from  a  higher  supply  volt- 
age. For  frequencies  above  200kHz,  output  buffering  may 
be  used  (Figure  5b). 

Photosensitive  Transducer  V/F's 

Photosensitive  sources  such  as  phototransistors  and 
photodiodes  are  easily  interfaced  to  theAD654.  An  exam- 
ple of  a  phototransistor  source  is  shown  in  Figure  15.  This 
figure  illustrates  how  a  phototransistor  can  be  biased  at 
a  defined  collector-emitter  voltage  by  the  AD654,  and  the 
resulting  current  output  converted  to  a  linearly  propor- 
tional frequency.  For  a  sensor  photocurrent  of  IX,  this  cur- 
rent becomes  equivalent  to  lt  in  the  frequency  expression, 
as  shown. 
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Since  the  AD654's  internal  op  amp  will  bias  pin  3  to  the 
potential  applied  to  pin  4,  the  voltage  divider  R1-R2  and 
the  supply  voltage  will  determine  the  effective  C-E  poten- 
tial. Here  this  voltage  is  5V,  but  it  could  be  any  voltage 
within  the  common-mode  limits  of  the  AD654.  With  a  gen- 
eral purpose  sensor  such  as  the  MTK380,  operation  is 
specified  at  a  1mA  current  with  a  5V  bias.  An  important 
point  for  this  circuit  is  that  it  can  easily  accommodate  any 
sensor.  The  divider  can  be  bypassed  for  noise  if  necessary 
and,  if  maximum  bias  voltage  stability  is  required,  R2  can 
be  made  a  zener  or  stable  reference  diode. 

For  an  output  photocurrent  of  1mA,  this  circuit  as  shown 
will  produce  a  frequency  of  100kHz  with  a  C,  of  1000pF. 
Calibration  can  be  a  problem  since  not  all  sensors  and/or 
sources  will  be  controlled  as  to  scaling.  The  variable  C, 
shown  in  the  inset  will  allow  for  about  a  10%  scale  var- 
iance but  even  this  may  not  be  enough.  If  the  sensor  and 
V/F  are  remote,  hardware  calibration  may  not  be  feasible 
at  all.  For  either  case,  scale  calibration  for  a  specific  light 
input  can  be  accomplished  via  software.  Note  that  the  cir- 
cuit can  be  phantom  powered  easily,  since  the  transducer 
is  biased  completely  by  the  V/F. 

Photodiode  Sources 

Interfacing  a  photodiode  to  the  AD654  V/F  is  simple  and 
can  be  accomplished  two  ways.  The  first  is  the  photo- 
diode can  be  biased  to  a  fixed  terminal  voltage  simply  by 
substituting  it  for  the  phototransistor  shown  in  Figure  15. 
Similar  comments  apply  as  to  calibration,  terminal  volt- 
ages, etc. 

The  second  is  the  photodiode  can  be  operated  in  its 
photo-voltaic  mode,  with  a  basic  terminal  voltage  of  zero 
and  a  minimum  load  impedance.  A  circuit  which  ac- 
complishes this  is  shown  in  Figure  16. 
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Figure  15.  Phototransistor  Photosensitive  Sources 


Figure  16.  Photodiode  Photosensitive  Sources 

The  simplicity  of  this  circuit  is  appealing,  since  the  diode 
is  merely  tied  between  the  two  op  amp  inputs  with  the  ( + ) 
input  grounded.  C,  is  selected  for  the  desired  frequency 
and  is  the  only  circuit  part  critical  to  operation.  Calibration 
in  general  has  the  same  set  of  considerations  as  does  the 
phototransistor,  with  similar  solutions.  It  can  be  done  by 
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making  a  small  part  of  C,  a  trimmer  (as  shown  in  Figure 
15),  or  via  software.  Like  Figure  15,  this  circuit  is  also  eas- 
ily used  with  phantom  powering. 

A  legion  of  photo  devices  are  available  which  are  poten- 
tially suitable  for  use  in  either  of  these  two  circuits,  oper- 
ated over  the  wide  range  of  currents/frequencies  accom- 
modated by  the  AD654. 

Temperature-To-Frequency  Converters 

Low  cost  IC  temperature  transducers  are  both  cost  effec- 
tive as  well  as  easy  to  apply  to  remote  measurements. 
Two  cases  are  shown  in  Figure  17. 

In  Figure  17a,  an  AD592  IC  temperature  transducer  is  in- 
terfaced to  the  AD654  in  a  manner  similar  to  that  of  the 
phototransistor  (Figure  15).  In  the  case  of  the  AD592  the 
minimum  bias  voltage  is  5V,  so  the  circuit  as  shown  will 
work  down  to  10V  supplies  (it  will  also  work  with  higher 
supplies). 

The  AD592  produces  a  1  m-A/K  current  output  which  drives 
pin  3  of  the  AD654.  With  the  timing  capacitor  fixed  at  a 
value  of  0.01  jjlF  this  produces  a  frequency  which  is  scaled 
as  10Hz/K;  that  is,  298K  =  2980Hz.  Since  temperature  is 
the  parameter  of  interest,  a  0.01  (jlFNPO  ceramic  capacitor 
is  used  for  lowest  V/FTC.  Calibration  of  this  circuit  can  be 
accomplished  either  by  using  an  input  current  divider  or 
simply  by  subjecting  the  transducer  to  an  ice  reference 
and  measuring  the  output  frequency.  If  it  differs  from 
2730Hz,  software  scale  corrections  can  be  applied  to  the 
measurement.  A  hardware  calibration  can  be  achieved  by 
scaling  the  output  a  decade  higher  using  a  variable  C,  of 
1000pF. 

Like  the  photosensitive  circuits,  this  circuit  is  a  good  can- 
didate for  phantom  powering.  Optional  components  in- 
clude protection  resistance  Rprot  and  01  (which  are  only 
necessary  if  it  is  possible  for  A2  to  contact  dangerous  ex- 
ternal voltages). 

Figure  17b  shows  how  the  same  basic  transducer  can  also 
be  used  with  a  current  offset  to  produce  a  Centigrade 
scaled  V/F. 

In  this  circuit,  the  AD592  drives  the  AD654  in  the  current 
input  mode.  The  output  of  the  AD592  is  lT  and  is  scaled  at 
1(jlA/K.  However,  in  this  case  a  fixed  offset  current  Ioff  is 
subtracted  from  lT.  Thus,  what  the  V/F  actually  receives  is 
the  input  It-Ioff- 

The  V/F  current  input  is  offset  by  273pA  as  established  by 
R3-R4  and  corresponds  to  273K,  or  0°C.  Thus,  this  point  is 
the  zero  frequency  scale  of  the  V/F.  Above  0°C  (273K)  the 
V/F  operates  with  a  sensitivity  of  100Hz/°C.  An  interesting 
feature  of  this  particular  circuit  is  that  the  offset  current  is 
regulated  by  the  "floating"  reference  diode  A3,  even 
though  the  common-mode  input  to  the  AD654  can  vary 
with  supply  voltage. 

Trimming  the  circuit  for  zero  scale  calibration  can  be 
accomplished  by  placing  sensor  A2  in  an  ice  bath  refer- 
ence and  adjusting  R3  (ZERO)  until  the  output  frequency 
just  stops.  To  complete  the  calibration,  the  circuit  is  ad- 
justed for  10,000Hz  with  A2  at  100°C  (boiling  water).  This 
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Figure  17.  Temperature-Frequency  Circuits 

is  done  simply  with  a  hardware  trim  via  Ct  with  the  film 
trimmer.  Here,  the  trimmer  is  Ctb  (SCALE)  while  the  bulk 
of  the  timing  capacitance  (Qa)  is  an  NPO  type.  Note  that 
the  trim  is  best  done  with  a  plastic  tuning  wand  since  Ct 
is  floating.  As  Teflon  and  polypropylene  film  trimmers  are 
available  up  to  about  200pF,  this  type  of  tuning  can  be  ef- 
fective for  circuits  using  a  C,  of  1000-2000pF.  The  scale 
trim  should  be  repeated  once  for  best  accuracy. 

4-20mA  Current  Loop  Conversion  Circuits 

The  4-20mA  industrial  current  loop  is  a  commonly  used 
interface.  Converting  such  input  signals  into  a  propor- 
tional frequency  is  relatively  easy  and  allows  ac  transmis- 
sion techniques  to  be  used.  Two  examples  are  shown  in 
Figure  18. 

The  most  straightforward  way  to  convert  a  4-20mA  signal 
is  to  convert  the  current  to  a  voltage  with  a  precision  load 
resistor,  then  convert  the  voltage  to  a  frequency  with  a 
V/F,  and  then  transmit  the  signal  in  frequency  form  to  a 
microprocessor  for  removal  of  the  offset  (i.e.,  the  fre- 
quency corresponding  to  4mA). 

The  offset  in  current  form  can  also  be  removed  at  the  V/F 
stage  as  shown  in  Figure  18a.  Here,  the  load  RL  converts 
the  4-20mA  signal  to  a  40-to-200mV  voltage  which  drives 
the  V/F. 
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b.  4- 20mA  Loop  Powered,  Isolated  to  F 
Figure  18.  4- 20mA  Conversion  Circuits 


The  bias  network  R2  through  R5  provides  an  input  voltage 
offset  of  40mV  so  that  the  4mA  zero  scale  will  produce  a 
zero  output  frequency.  The  basic  V/F  scale  factor  is  set  via 
R4  +  R5.  From  40m V  to  200m V  across  RL  the  AD654  sees 
a  1 60mV  change,  thus  Rt  needs  to  be  about  1 600H  for  an 
I,  of  1 00|xA.  With  a  FS  I,  of  1 OO^A,  C,  is  1 0OOpF  for  a  1 0kHz 
FS  frequency. 

Calibration  is  achieved  by  applying  a  20mA  input  and 
trimming  R5  for  10kHz  out.  Then,  with  4mA  applied  the 
output  can  be  checked  for  zero  frequency,  and  trimmed  (if 
necessary)  with  R2.  Note  that  the  two  adjustments  (R5 
and  R2)  are  interactive.  Because  of  this  factor,  the  calibra- 
tion process  should  be  repeated  at  least  once.  The  circuit 
as  shown  assumes  a  floating  source,  so  D1  might  be  nec- 
essary for  reverse  protection.  It  can  be  eliminated  for  a 
known  input  polarity  but  even  if  included  it  will  not  harm 
accuracy.  Since  the  RL  terminal  sense  voltage  is  very  low 
with  this  circuit  (200m V)  line  voltage  drops  are  not  likely 
to  be  a  problem. 

The  circuit  of  Figure  18b  is  an  interesting  variation  of  the 
basic  one  in  Figure  18a  as  it  is  powered  by  the  loop  cur- 
rent. This  is  possible  since  the  lowest  loop  current  of  4mA 


is  higher  than  that  required  to  bias  the  AD654  plus  the 
support  circuitry.  The  advantage  of  this  technique  lies  not 
just  in  the  fact  that  the  power  is  "free",  but  that  it  allows 
a  completely  floating  l/F  converter  to  be  implemented 
using  isolation  techniques. 

In  this  circuit  the  offset  and  scaling  of  the  AD654  is  very 
close  to  that  used  in  Figure  18a.  D2  clamps  the  supply  volt- 
age of  the  V/F  to  6.8V  and  the  offset  reference  diode  A2 
is  biased  from  this  voltage  by  R1.  The  AD654  V/F  sees  vir- 
tually a  constant  supply  voltage  for  loop  currents  above 
about  2mA. 

Since  the  desired  LED  drive  current  of  =  10mA  is  greater 
than  the  low  scale  input  current  an  alternate  technique 
must  be  used;  in  the  case  here  this  is  a  shift  of  duty  factor 
for  the  LED  drive.  Thus,  getting  the  signal  out  of  the  V/F 
and  into  logic  stages  requires  a  pulse  forming  network  R6- 
C1 .  This  allows  the  charge  on  C1  to  be  dumped  in  the  opto 
isolator's  LED  once  per  cycle  of  oscillation,  which  in  turn 
is  coupled  thru  to  Q1  and  regenerated  by  the  one  shot  A4. 
The  technique  works  over  the  entire  4-20mA  range,  with 
the  peak  discharge  current  safely  limited  by  the  AD654's 
output  transistors. 
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This  circuit  is  scaled  for  a  2kHz  FS  frequency  with  a  20mA 
FS  input  current.  The  recharging  considerations  of  C1  pre- 
vent it  from  working  at  appreciably  higher  frequencies. 
While  this  low  frequency  would  appearto  suggest  the  use 
of  a  low-speed  optoisolator  and  buffer,  such  is  not  the 
case.  The  discharge  of  C1  is  fast;  on  the  order  of  a  few 
microseconds.  This  requires  the  relatively  fast  buffer,  Q1. 
The  use  of  the  following  one  shot  is  optional;  as  shown 
it  produces  positive  1 1  Ojis  pulses. 

This  circuit  is  quite  valuable  wherever  current  source  sig- 
nals of  4mA  and  up  are  used  and  isolation  is  required, 
whether  or  notthe  offset  bias  function  is  used. 

Digitally-Tuned  Switched  Capacitor  Filter 

Switched  capacitor  (switchcap)  filters  using  IC  packaged 
state  variable  building  blocks  have  become  quite  popular. 
Two  reasons  for  this  fact  are  the  all-around  utility  of  the 
state  variable  filter  itself,  which  allows  all  standard  filter 
modes  to  be  resistor  and/or  pin  programmed,  and  the 
ability  to  easily  and  precisely  tune  the  filter  center  fre- 
quency via  a  clock  input.  A  variable  rate  clock  such  as  the 
output  of  a  V/F  can  readily  drive  a  switchcap  filter  effec- 
tively, avoiding  cumbersome  ganged  pots  and  limited 
range  tuning.  This  is  particularly  important  when  filter 
sections  are  cascaded. 

Figure  19  is  an  example  of  a  12-bit  binary,  digitally  tuned 
switchcap  filter  using  the  MF10C  CMOS  filter  building 
block  driven  by  an  AD654.  In  this  circuit,  the  AD654  V/F  is 
operated  as  a  single  supply  digitally  programmed  clock 
source.  With  the  V/F  device  operated  from  a  +  10V  supply 
the  output  will  be  a  10V  square  wave  (fcuc),  which  satisfies 
the  clocking  requirements  of  the  MF10C  filter. 


12-BIT  FREQUENCY 
CONTROLINPUT 

Figure  19.  Digitally-Tuned  Switched  Cap  Filter 

A2  and  the  associated  components  comprise  the  V/F 
tuned  switchcap  filter.  As  connected  here,  the  MF10C  is 
operated  in  its  "1a"  bandpass  mode  with  a  gain  and  Q  as 
determined  by  R3/R2.  The  signal  to  be  filtered  is  applied 
across  input  level  control  R4  and  fed  via  C2  to  the  filter. 
The  filtered  output  appears  at  pin  19  and  is  ac  coupled  to 


the  output  by  CI.  Note  that  the  MF10C  is  comprised  of  two 
filter  sections;  only  one  of  which  is  operated  in  this 
hookup.  It  is  also  capable  of  operating  in  the  HP,  LP,  AP, 
and  notch  modes  (see  manufacturer's  literature). 

As  operated  here  the  filter  center  frequency  is  fcuc'lOO, 
where  fci_K  is  the  V/F  frequency.  This  in  turn  is  program- 
med by  the  AD7240  D/A  with  12-bit  control  resolution. 
Thus  the  filter's  center  frequency  is  programmable  over 
a  dynamic  range  of  212.  The  precision  of  tuning  will  be  as 
good  as  thefCu</fo  spec  of  the  MF10C,  which  is  ±1.5%  or 
better.  This  assumes  calibration  for  an  actual  filter  fre- 
quency of  1kHz  with  an  all  1's  D/A  input.  Further  discus- 
sion of  this  D/A  tuning  technique  of  the  AD654  is  covered 
in  a  later  application  (Figure  23). 

This  versatile  circuit  cannot  only  achieve  all  the  filtering 
functions  noted  above,  but  it  can  also  be  used  with  the 
AD654  in  any  of  the  standard  V/F  input  control  modes, 
tuned  either  electronically  or  manually.  A  simple,  manu- 
ally variable  clock  generator  (Figure  22  series)  will  allow 
tuning  of  filtering  functions  over  a  wide  range. 
- 

Wide  Range  Precision  PLL  F/V  Converter 

The  phase  locked  loop  (PLL)  has  become  a  familiar  circuit 
building  block,  one  routinely  used  for  a  variety  of  signal 
processing  tasks.  Since  a  number  of  readily  available, 
standard,  dedicated  chips  perform  the  PLL  function,  a  log- 
ical question  would  be  why  one  would  need  to  use  a  V/F. 
The  answerto  this  is  two-fold: 

1)  To  achieve  a  greater  dynamic  range  of  frequency  lock, 
i.e.,  more  than  a  single  decade. 

2)  To  implement  precision  F/V  circuits.  These  perform- 
ance attributes  are  not  available  from  the  dedicated  PLL 
chips,  but  can  be  provided  by  V/F  circuits. 

The  V/F  based  PLL  circuit  of  Figure  20  uses  a  wide  dynam- 
ic range  digital  frequency/phase  detector  as  the  PLL  com- 
parator. With  this  type  of  circuit  the  input  signal  can  range 
over  a  very  wide  span  and  the  locking  characteristic  is  not 
harmonically  sensitive.  It  accepts  a  TTL  compatible 
square  or  pulse  input,  f1.  As  shown  here,  f1  can  be  as  high 
as  100kHz  with  overranging  to  150kHz.  The  PLL  produces 
a  square  wave  TTL  output,  f2,  at  the  same  nominal  fre- 
quency as  the  input.  This  output  is  locked  to  the  input  in 
terms  of  both  frequency  and  phase  and  is  referenced  to 
the  positive  going  edge  of  f1.  In  addition,  the  circuit  also 
produces  a  low-pass  filtered  F/V  output  from  stage  A4. 
This  signal,  a  smoothed  version  of  the  V/F's  control  volt- 
age, is  precisely  proportional  to  the  input  voltage.  It  can 
be  used  as  a  precision  F/V  output  voltage  signal  or  as  part 
of  a  larger  overall  loop  ...  for  example  to  characterize 
specific  V/F  devices  at  test.  The  entire  PLL  circuit  operates 
from  a  single  +  5V  supply. 

The  digital  frequency/phase  detector  is  made  up  of  the 
7474  dual  TTL  D  flop  (A2)  and  the  associated  gate  sections 
(A3).  When  the  loop  is  in  lock,  a  positive  leading  edge  at 
fl  and  at  f2  clocks  to  a  "1 "  at  the  A2-a  and  A2-b  Q  outputs, 
respectively.  GateA3-a  resets  both  flip-flop  sections  after 
about  50ns.  The  5  and  Q  outputs  of  A2-a  and  A2-b  are, 
therefore,  narrow  pulses  coincident  in  time,  but  opposite 
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a.  Circuit  Diagram 


b.  AD654  PLL  Performance  (Fast  Response  Mode) 
Upper  Trace:  Phase  Detector  Output  (Point  "C") 
Lower  Trace:  F/V  Filtered  Output 

Scales:  0.2V/div,  500ns/div 

Source:  50/W0kHz   FSK  @ 400Hz Rate 

Condition:  CL  =  0.  1/j.F,  Rd  =  500(1 

Figure  20.  PLL 

in  phase.  These  outputs  will  only  be  50ns  in  width  for  the 
locked  condition.  They  are  buffered  and  used  to  control 
the  sampling  gate  at  points  A  and  B. 

The  sampling  gate  used  consists  of  the  current  source 
transistors  Q1  and  Q2,  which  are  in  turn  controlled  by 
diodes  D1  and  D2.  Forthe  locked  condition  the  coincident, 
equal  width  pulses  will  turn  on  the  current  sources  for 
equal  lengths  of  time,  thus  no  net  current  will  flow  into  the 
loop  storage  capacitor,  CL.  However,  if  Q1  is  on  longer 
than  Q2,  CL  is  charged  towards  +5V;  conversely  if  Q2  is 
on  longer,  CL  is  discharged  towards  ground.  The  voltage 
which  is  stored  on  CL  represents  the  raw  dc  error  voltage 
of  the  loop  and  ultimately  controls  the  V/F.  This  voltage 
is  buffered  by  Q3  and  is  fed  to  the  V/F  through  the  network 
R7-R8-D3.  The  Schottky  diodes  D4-D5  simply  provide  an 
overvoltage  input  clamp  forthe  V/F  to  prevent  a  potential 
latchup  caused  by  excessive  dc  input. 

The  AD654  is  set  up  here  as  a  100kHz,  0.5V  FS  single  sup- 
ply V/F  with  a  TTL  output  buffer  A3-d.  Calibration  for 


exactly  0.5V  at  the  V/F  input  at  FS  is  achieved  by  R1 1 ,  the 
SCALE  control.  This  is  appropriate  for  the  circuit's  use  as 
an  F/V,  with  the  A4two  pole  low-pass  filter  stage  included. 
If  the  F/V  output  is  not  required  A4  and  the  associated 
components  are  deleted,  and  R10-R11  can  become  a 
single 499fi,  1%film  unit. 

The  actual  loop  time  constants  of  any  PLL  should  be  op- 
timized towards  the  final  intended  use.  In  this  case,  the 
loop  can  be  adjusted  for  either  quick  response  (with  mod- 
est dynamic  range),  or  for  a  wider  dynamic  range  (with 
slower  response).  For  fast  response,  the  Cl-Rd  series  com- 
bination is  0.1p.F  and  51011.  For  a  wider  dynamic  range, 
they  become  1(lF  and  160fi.  In  general,  faster  response 
will  be  desirable  for  such  uses  as  FSK  demodulation,  etc. 
On  the  other  hand,  a  precision  PLL  F/V  would  likely  use  the 
greatest  dynamic  range  option.  It  is,  of  course,  possible  to 
switch  the  filter  time  constants  to  allow  fast  lockup  for  fast 
changes,  and  wide  dynamic  range  once  the  input  fre- 
quency is  stabilized. 

The  general  method  of  selecting  the  loop  components  is 
to  select  CL  consistent  with  the  desired  dynamic  range 
and/or  speed,  and  then  select  RD  for  the  required  damp- 
ing. This  can  be  done  either  from  the  equations  below,  or 
by  scaling  from  the  values  noted  above. 

The  conversion  gain,  Kd,  is  set  by  R1-R2  and  is: 

'  500(iA 

=  8  x  10"5  amperes/radian 
The  V/F  conversion  sensitivity,  K„,  is: 
2-*fFS 


(6) 


(7) 


=  1. 26  x  106  radians/volt-sec 

where  fFS  is  the  FS  frequency  and  VFS  is  the  FS  V/F  input 
voltage.  For  the  conditions  shown,  these  are  100kHz  and 
0.5V,  respectively. 

The  natural  frequency  of  this  second  order  loop  will  be  a)n, 
which  is: 


|"(K0)(Kd)j1,; 


[ 

The  damping  factor  i;  is 


(8) 


(9) 


It  will  usually  be  desirable  to  make  t,  about  0.8  for 
mimimum  overshoot  with  a  step  input;  the  values  listed 
assume  this.  Practical  ranges  of  CL  are  from  just  under 
0.1  (jlF  up  to  VF  or  more;  the  smaller  values  allowing  fas- 
ter settling,  the  larger  greater  dynamic  range.  With  CL 
selected  RD  can  be  calculated  to  provide  the  desired 
damping,  as: 

2t 

RD=  ^   (10) 

[(CJIK^K,)]1* 

Since  for  this  particular  circuit  the  product  of  K0and  Kd  is 
simply  100,  this  can  be  simplified  to: 


[100CJ 


(11) 
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Figure  20b  is  a  photo  illustrating  the  performance  of  the 
PLL  used  in  the  fast  response  mode  (see  conditions).  For 
this  test  the  input  is  a  50/100kHz  FSK  signal,  which  repre- 
sents a  1/2  FS  change.  The  two  traces  represent  the  V/F 
control  input  (upper)  and  the  FA/  output  (lower).  The  dc 
baselines  are  offset  for  waveform  comparison  purposes. 
In  the  uppertrace  the  loop  is  seen  to  produce  the  large  dy- 
namic errors  characteristic  of  a  slewing  interval,  but  is 
damped  and  settles  quickly  to  the  final  dc  value  in  just 
over  20(Vs.  The  lower  trace  shows  a  similar  waveform, 
with  the  fast  ac  components  reduced  by  the  filter.  Reliable 
data  recovery  to  logic  levels  is  possible  simply  by  voltage 
comparison  of  this  waveform  to  a  fixed  dc  reference 
which  corresponds  to  1/2  the  p-p  amplitude. 

With  the  loop  adjusted  for  wide  dynamic  range  (CL  =  l(iF, 
Ro  =  160fi),  it  will  maintain  a  frequency  and  phase  lock 
from  100kHz  down  to  about  500Hz.  Since  it  can  also  over- 
range  to  150kHz,  the  total  dynamic  range  is  more  than 
200/1.  With  CL  =  litF,  settling  is  proportionally  longer, 
about  2ms  for  the  same  1/2  scale  frequency  step  (50/ 
100kHz). 

An  interesting  feature  of  the  circuit  is  that  it  requires  very 
few  precision  components.  C,  should  be  an  NPO  type  for 
best  stability  and  linearity,  but  R,  (R10-R11)  is  the  only 
other  precision  scaling  component.  R1  and  R2  should  be 
stable  film  units  as  noted  (since  they  set  M,  but  this  is  not 
absolutely  critical.  CL  is  best  a  polypropylene  film  for  fast 
response  applications,  where  the  values  are  small  (= 
0.1  (iF).  Where  space  is  at  a  premium  and  fast  settling  is 
not  critical,  a  high-voltage  electrolytic  can  be  used  (such 
as  1|xF/50V).  RD  can  be  a  fixed  value  type,  and  if  desired 
it  can  be  easily  optimized  for  damping  with  the  use  of  a 
dynamic  display  such  as  Figure  20b  (top).  Power  supplies 
for  this  circuit  should  be  well  bypassed  with  low  imped- 
ance at  high  frequency  capacitors  near  the  logic  stages. 
The  analog  grounds  (including  RD)  should  be  returned  to 
the  V/F's  common  point  as  shown. 

There  are  a  number  of  possible  uses  for  a  PLL  such  as  this. 
Note  that  f1  can  be  a  divided  crystal  reference  for  synthe- 
sis uses.  Similarly,  the  f2  output  can  be  divided  before  the 
comparision  to  scale  frequencies  upward.  This  PLL  circuit 
capitalizes  on  the  virtues  that  a  wide  range  V/F  device 
brings  to  PLL  applications  circuits. 


Function  Generator 

A  general  purpose  function  generator  is  a  useful  lab  tool, 
as  it  is  capable  of  producing  the  standard  waveforms  of 
sine,  square,  and  triangle.  Although  the  AD654  does  not 
produce  a  triangle  wave  directly,  one  can  be  realized  by 
differentially  amplifying  the  capacitor  waveform(s).  A 
sine  wave  can  be  synthesized  from  the  triangle  wave.  The 
square  wave  is  already  available  from  pin  1. 

Figure  21  illustrates  a  function  generator  circuit  based  on 
an  AD654  with  a  wide  range,  exponentially  generated  tim- 
ing current  for  frequency  control.  This  allows  a  standard 
linear  pot  to  be  used  for  a  4  decade  control  range  without 
crowding  the  low  end  of  the  control  span. 

The  control  current  generator  is  comprised  of  A2,  A3,  and 
Q1-Q2.  This  circuit  produces  a  current  from  the  collector 
of  Q2  which  ranges  downward  as  controlled  by  the  FRE- 
QUENCY control  R9.  R2  calibrates  the  high  end  of  the 
scale  for  a  100kHz  output  while  R6  sets  the  lower  end  to 
10Hz.  Q1  and  Q2  are  a  matched  pair,  with  high  gain 
(2N5089,etc). 

Dual  op  amp  A4  and  single  device  A5  make  up  a  low  bias 
current,  high-speed  buffer  for  the  timing  capacitor.  For 
the  input  stage,  nothing  other  than  a  high  slew  rate  FET 
input  device  should  be  used,  to  preserve  the  V/F  dynamic 
range.  The  output  of  the  instrumentation  amp  is  from  A5 
and  is  a  ground  referenced,  3.6V  p-p  triangle  wave.  If  the 
resistor  ratios  are  matched  as  shown,  this  waveform  will 
have  a  negligible  dc  component.  R14  serves  generally  as 
an  amplitude  control,  but  is  best  adjusted  for  minimum 
sine  wave  TH  D  (below). 
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Figure  21.  Function  Generator 
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A6  is  an  AD639,  a  precision  trigonometric  function 
generator  capable  of  (synthesized)  sine  wave  THD  as  low 
as  0.02%,  given  an  input  triangle  of  sufficient  linearity. 
With  a  triangle  wave  input  amplitude  of  twice  the  device's 
1.8V  reference  amplitude  at  pin  6  the  chip  produces  a  low 
distortion  sine  wave  of  a  3.6V  p-p  amplitude.  Since  the 
AD654  triangle  taken  differentially  is  1.8V  p-p,  the  IA  net 
gain  requirement  is  2  for  an  optimum  triangle  wave  drive 
to  the  AD639.  The  IA  gain  is  best  trimmed  to  the  nominal 
gain  of  2  via  R14.  This  is  done  using  the  lowest  observed 
output  sine  wave  THD  as  an  adjustment  criterion.  This  al- 
lows the  various  circuit  tolerances  to  be  adjusted  out  and 
guarantees  lowest  THD.  The  AD654  triangle  wave  as  it  is 
used  here  is  not  actually  good  enough  to  take  complete 
advantage  of  the  AD639's  low  distortion  capability. 
Nevertheless,  the  measured  THD  in  this  circuit  is  0.5% 
over  the  full  100kHz  range  (after  trim).  Some  improve- 
ment in  THD  performance  can  be  expected  if  the  AD654 
is  operated  towards  a  higher  lt,  such  as  1-2mA.  The  photo 
indicates  the  quality  of  waveforms  attainable  with  condi- 
tions as  shown. 

This  circuit  is  useful  as  it  is  shown  for  general  purpose 
work,  with  buffered  triangle  and  sine  wave  outputs  and  a 
TTL  square  wave  output  from  A1 .  It  can  easily  be  adapted 
to  other  means  of  frequency  control  such  as  the  many 
other  voltage  input  options  throughout  these  notes.  Also, 
the  log  control  input  can  be  enhanced  further  as  shown 
below  (Figure  26). 
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a.  Simple  TTL  Clock  Source  (Fixed  Frequency) 
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Clock  Sources 

Not  only  is  the  AD654  useful  as  a  wide  range  controlled 
frequency  source,  it  is  also  useful  as  a  stand-alone  clock 
source.  Here,  the  general  distinction  is  that  clock  sources 
are  not  highly  dynamic  in  terms  of  frequency  control.  At- 
tributes of  the  AD654  as  a  fixed  frequency  clock  source  in- 
clude the  ease  of  logic  output  adaptation,  low  power,  and 
the  ease  of  tuning  when  required.  Figure  22  illustrates  a 
number  of  useful  clock  circuits. 

One  of  the  simplest  clock  sources  possible  with  an  AD654 
is  shown  in  Figure  22a  and  is  suitable  for  TTL  or  CMOS 
uses.  Note  that  even  if  the  circuit  is  powered  from  +5Vthe 
output  can  be  pulled  up  to  higher  voltages,  such  as  10  or 
1 5V  CMOS.  For  a  control  voltage,  the  5V  bus  is  simply  di- 
vided down  to  IV,  and  used  as  an  input  (with  optional  fil- 
tering). The  output  frequency  is  the  expression  shown, 
since  V|Nis1V, 

This  circuit  is  most  useful  where  a  single  spot  frequency 
is  desired  and  a  fixed  R-C  combination  can  be  selected. 
For  example,  with  C,  of  1000pF,  an  R,  of  Ikfi  will  yield 
100kHz  as  shown.  For  lower  frequencies  Rt  can  easily  be 
adjusted  upward;  for  example  when  it  is  1MO,  100Hz  will 
be  produced.  The  nomograph  of  22a1  is  useful  in  select- 
ing R,  values  for  various  frequencies;  not  only  for  a  C, 
value  of  1000pF,  but  for  other  values  as  well.  Another 
example  is  0.01(j,F  and  100k,  which  yields  100Hz.  It  is 
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b.  10/1  Manually-  Tuned  Clock  Generator 


a  1.  Spot  Frequency  Clock  Source  Nomograph 

Figure  22.  Clock  Circuits 


c.  Self-Biasing  Precision  Clock 
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possible  to  use  C,  values  below  1000pF,  or  Rt  values  above 
1Mft.  The  tradeoff  is  simply  that  some  predictability  will 
be  sacrificed  in  doing  so.  This  nomograph  is  based  on  a 
fixed  V|N  of  Wand  is  generally  applicable  to  other  circuits 
with  such  operating  conditions.  Examples  are  the  two  cir- 
cuits which  immediately  follow. 

With  a  little  more  effort,  the  same  circuit  can  be  adapted 
for  manual  tuning  and  switched  capacitors.  The  circuit  of 
Figure  22b  provides  this,  with  smooth  tuning  over  a  10/1 
range. 

Here  the  simple  1V  supply  divider  of  Figure  22a  is  re- 
placed by  an  LED  reference  circuit  which  improves  supply 
stability  and  adds  coarse  temperature  compensation  for 
the  diode  drift.  One  volt  is  developed  at  the  emitter  of  Q1 
and  drives  the  linear  frequency  control  R2.  Note  that  this 
low-cost  circuit  features  utility  with  reasonable  perform- 
ance, but  for  the  best  TC  an  AD589  1 .2V  reference  will  be 
useful  driving  R2. 

Resistors  R4  and  R5  here  function  as  Hv  and  the  nominal 
value  can  be  seen  on  Figure  22a1  with  the  various  C, 
values  (see  table).  R5  serves  to  calibrate  the  circuit  for  full 
scale.  For  this  circuit,  a  table  of  recommended  C,  capacitor 
types  are  shown,  including  a  preferred  non-polar  elec- 
trolytic hookup  for  low  frequency  (albeit  non-precision) 
scale. 

ai  i'|  .irtOOr  «!b  oiy  rtoirtw  ,x00f  bn:,  3^fC.t  c'<  e!qrri6x« 
The  previous  two  circuits  are  very  strong  on  utility  but  as 

shown  lack  high  precision  and  immunity  to  power  supply 

changes.  The  clock  circuit  of  Figure  22c  improves  on  both 

of  these  weaknesses  and  adds  an  output  buffer. 

This  circuit  capitalizes  on  the  fact  that  the  AD654's  internal 
quiescent  current  is  regulated,  and  uses  this  current  at  pin 
5  to  excite  a  reference  diode  A2.  This  establishes  a  1 .235V 
reference,  VR,  from  pin  5  to  common.  This  voltage  is 
highly  immune  to  supply  changes,  allowing  the  diode  cur- 
rent to  be  stabilized  without  the  expense  of  additional 
parts. 

VR  also  appears  across  Rt,  and  develops  a  timing  current 
of  Vfi/Rt  making  the  frequency  expression  as  noted.  The 
general  frequency  expression  can  be  easily  simplified  so 
that  the  VB  and  C,  factors  divide  out  by  making  Ct  a  power 
of  1.2.  This  allows  easy  values  for  Rt,  and  also  permits  the 
use  of  the  frequency  nomograph  23a1  for  Rt-Ct  selection. 
To  do  so,  simply  multiply  the  capacitor  curves  as  shown 
by  1.2  (1200pF,  12000pF,  etc.)  and  select  Rt.  Of  course  the 
circuit  will  still  need  to  be  calibrated  if  exact  frequency  op- 
eration is  needed.  The  output  signal  from  pin  1  is  not  "in- 
compatible, but  it  is  CMOS  compatible  with  the  use  of  a 
CMOS  Schmitt  buffer  as  shown.  This  restores  a  rail-rail  5V 
logic  swing,  which  can  drive  either  5V  CMOS,  or  TTL. 

12-Bit  D/F  Converter 

Closely  allied  to  the  clock  sources,  as  well  as  standard  V/F 
circuits  is  the  D/F  converter,  a  digitally  programmed  fre- 
quency source.  A  useful  example  of  such  a  circuit  is  the 
1 2-bit  D/F  shown  in  Figure  23. 

This  circuit  uses  the  AD7240,  a  12-bit  resolution  CMOS 
D/A  available  with  differential  nonlinearity  as  low  as 
1/2LSB.  It  is  used  here  with  the  AD589  1 .235V  reference  in 


Figure23.  12-Bit  D/F  Converter 

a  voltage  output  mode,  driving  the  ( + )  input  of  the  AD654 
directly.  Since  the  AD7240  is  a  multiplying  D/A,  it  multi- 
ples the  1 .2  V  reference  by  the  fractional  binary  input,  pro- 
ducing a  variable  voltage  output  similar  to  a  pot.  The 
AD654  is  scaled  here  for  a  1mA  FS  current;  a  Ct  of  1000pF 
yields  a  FS  output  (for  an  "all  ones"  input)  of  99976.Hz. 
The  timing  capacitor  can  be  changed  for  other  full  scale 
frequencies.  Rt  is  trimmed  via  R4  for  FS  calibration. 

Nonlinearity  error  of  this  circuit  will  be  predominantly  due 
to  the  AD654  if  the  AD7240  is  operated  from  a  1 5V  supply 
as  shown.  Inasmuch  as  this  circuit's  linearity  will  be  on  the 
order  of  0.1%,  the  best  linearity  grade  for  the  AD7240  may 
not  be  cost  effective.  Nevertheless,  the  circuit  will  still  be 
monotonic  for  12-bits  for  all  grades  of  the  AD7240  and 
have  12-bits  of  control  resolution.  Similarly  operated  D/A 
devices  of  lower  resolution  can  also  be  employed  in  this 
general  circuit. 

Voltage/Current  Monitors 

Using  isolated  V/F  conversion  techniques,  a  variety  of 
useful  voltage  and  current  monitor  circuits  can  be  imple- 
mented. Several  examples  are  shown  in  Figure  24. 

In  Figure  24a  is  a  AD654V/Fscaledto  measure  a  -5Vbus, 
with  a  1.0Hz/mV  sensitivity.  The  output  from  the  op- 
toisolator  is  fed  to  one  of  the  output  buffers  of  Figure  10 
(that  is,  10a1  for  example)  to  5V  TTL.  While  this  example 
is  for  a  5V  bus,  a  simple  adjustment  of  the  R1/R2  divider 
will  allow  other  voltages.  R5  should  be  selected  for  9- 
10mA  of  drive  in  the  LED. 

Figure  24b  illustrates  a  technique  for  monitoring  negative 
supply  current,  in  this  case  on  a  -  20V  bus.  In  this  hookup, 
the  negative  voltage  input  mode  is  used  with  the  V/F 
measuring  the  drop  across  Rs,  a  series  sampling  resistor. 

In  this  circuit  R1-R3  constitute  R,,  and  a  value  of  Rs  is 
selected  from  the  table  for  the  desired  full  scale  current. 
In  each  case,  the  sense  voltage  is  100mV  for  minimum 
loss  in  the  supply  voltage.  The  capacitance  CN  is  a  large 
value,  selected  for  more  than  25dB  of  noise  attenuation. 
This  circuit  is  scaled  for  the  sensitivities  shown  in  the 
table,  and  the  nominal  FS  frequency  is  1  kHz. 

Avery  interesting  form  of  current  monitor  is  shown  in  Fig- 
ure 24c.  This  circuit  is  self  powered  and  measures  the 
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c.  Sine  Wave  Averaging  AC  Current  Monitor 
Figure  24.  Voltage  Current  Monitors 


average  ac  line  current  in  the  load  RL  delivering  an  iso- 
lated output  frequency.  Several  aspects  of  the  circuit  are 
similar  to  previous  applications,  such  as  the  pulsed  LED 
drive  and  the  one  shot  regeneration  (i.e.,  A2  and  A3).  They 
will  not  be  discussed  extensively  here. 

The  circuit  samples  the  current  in  Rs  by  measuring  the  ac 
terminal  voltage.  This  is  possible  with  an  AD654  if  the  p-p 
ac  input  is  only  a  few  hundred  mV.  The  AD654  simply  half 
wave  rectifies  the  ac  and  then  measures  the  dc  average 
over  %  cycle.  Of  course  the  input  must  be  protected 
against  overvoltage,  thus  the  use  of  D3.  C4  is  simply  a 
hash  filter. 

With  a  1 0OmV  rms  FS  drop  across  Rs,  the  circuit  is  scaled 
to  produce  the  frequency  noted,  1  kHz  FS.  Rs  is  selected  for 
various  FS  currents,  so  as  to  produce  100mV  rms.  Note 


nonsinusoidal  currents  will  not  read  correctly.  For  such 
applications,  an  rms-dc  converter  can  be  used,  such  as  the 
AD636. 

The  circuit  can  be  either  line  powered  by  a  peak  detector 
circuit  and  series  resistor  (D1 ,  CI,  R1),  or  can  be  fed  from 
a  small  rectifier  transformer  and  simple  half-wave  supply. 
The  supply  as  shown  functions  adequately,  but  it  is  not  ef- 
ficient from  a  power  consumption  standpoint.  When 
working  with  circuits  operated  directly  from  the  line,  it  is 
of  paramount  importance  that  adequate  safety  precau- 
tions be  taken.  This  would  include  safety  and  reliability 
considerations  such  as  overvoltage  clamps,  breakers,  suf- 
ficient derating,  etc. 

Although  the  circuit  as  it  is  shown  measures  current,  it  can 
also  be  rewired  to  measure  line  voltage  by  adding  a  di- 
vider so  as  to  produce  1 00m  V  rms  ac  at  R4. 
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pedance  sources  and  can  achieve  very  accurate  conver- 
sion down  to  millivolt  levels  with  good  symmetry  about 
zero.  The  circuit  operates  from  conventional  ±  15V  power 
supplies. 


V  V 
Figure  25.  Ultra  High  Input  Impedance  Bipolar  V/F 

In  this  rather  unusual  circuit  the  AD654  is  alternately  dri- 
ven in  one  of  its  two  voltage  input  modes  for  the  two  input 
polarities.  It  acts  as  a  positive  input  voltage  V/F  (for  "posi- 
tive" signal  inputs),  and  as  a  negative  input  voltage  V/F 
(for  "negative"  signal  inputs).  A2  is  a  low  input  current 
precision  op  amp  which  loads  the  source  with  only  10pA 
of  bias  current  (typical).  Low  leakage  diodes  D1  and  D2 
provide  switching  at  the  AD654's  inputs,  while  the  preci- 
sion resistors  R1  and  R2  set  the  V/F  scale  in  conjunction 
with  timing  capacitorC,. 

Since  R2  sets  the  scale  factor  for  "negative"  inputs,  and 
R1  for  "positive"  inputs,  gain  calibration  can  be  a  bit  com- 
plex. The  most  expeditious  means  of  FS  calibration  is  via 
software,  with  a  known  reference  input,  a  fixed  Ct,  and  a 
closely  matched  R1-R2.  Alternately,  C,  can  be  made 
2200pFand  R1-R2  trimmed,  as  noted.  The  scaling  with  the 
values  shown  is  50kHz  for  a  FS  V,N  of  5V  (or  1 0Hz/mV),  and 
excellent  linearity  is  achieved  for  inputs  down  to  1mV  or 
less.  For  best  accuracy  around  zero  a  low  offset  device 
should  be  used  for  A2,  such  astheAD611K(500^V  max), 
or  A2  should  be  trimmed. 

The  circuitry  around  Q1  is  a  sign  amplifier  and  produces 
a  TTL  compatible  SIGN  output  as  well  as  LED  visual  indi- 
cation. Aside  from  the  high  precision  of  this  circuit  as  a  bi- 
polar input  V/F,  the  input  buffer  technique  used  is  also 
useful  for  many  single  polarity  sources  which  might  re- 
quire minimal  loading,  or  the  addition  of  long-time  con- 
stant input  filters. 

Log  Controlled  Oscillator 

For  manually  tuned  oscillator  applications,  the  widest 
range  of  control  comes  about  with  a  logarithmic  control 
characteristic.  However,  a  log  taper  pot  with  a  repeatable 
4  decade  characteristic  is  not  a  real-world  item.  A  better 


■  i^uic  t.\j  ia  a  iwy  uuiiuumgu  usumaiur  using  me  muosi  in 
conjunction  with  a  dual  op  amp  and  a  monolithic  IC  array. 
The  array  uses  the  same  general  principle  discussed 
above  with  the  Figure  21  function  generator,  but  with 
some  enhancements. 

The  lower  part  of  the  circuit  is  simply  a  hot  substrate 
stabilizer  for  the  plastic  packaged  CA3046  array.  Q5  of  the 
array  is  a  diode  connected  sensor  and  Q3-Q4  the  heaters. 
The  Vbe  of  0.5  is  compared  against  650mV  derived  from 
the  +15V  supply;  the  loop  forces  the  chip  temperature 
upwards  to  about  40°C.  This  is  only  slightly  in  excess  of 
room  temperature,  but  more  importantly  it  will  be  con- 
stant. The  constant  temperature  removes  the  strong  tem- 
perature sensitivity  of  the  basic  exponential  generator, 
Q1 -Q2,  and  it  avoids  the  necessity  of  a  special  TC  compen- 
sation resistor. 

The  current  generator  is  composed  of  Q1  and  Q2  with  Q1 
establishing  a  reference  VBE  proportional  to  the  current 
established  by  the  reference  diode  A2  and  R2-R3.  R2  is 
trimmed  to  set  this  current  to  a  nominal  500|iA,  but  also 
to  trim  out  circuit  tolerances.  With  a  Ct  of  470pF  this  pro- 
duces a  100kHz  frequency. 

The  lower  end  of  the  operating  range  is  established  by  the 
divider  across  Q1,  R6-R8.  R8  drops  a  voltage  which  is  ad- 
justed to  be  equal  to4(KT/q  In  10),  or  about  240mV,  asset 
by  R6  for  low  scale  calibration.  With  R9  in  shunt  with  R8, 
a  sweep  of  this  control  spans  4  decades  of  current,  con- 
trolling the  oscillator  over  4  decades. 


■ 

Figure  26.  Log  Controlled  Oscillator  10Hz-  100kHz 
Frequency  Doubling 

Since  the  AD654's  output  is  a  square-wave  rather  than  a 
pulse  train,  information  about  the  input  signal  is  carried 
on  both  halves  of  the  output  waveform.  The  circuit  in  Fig- 
ure 27  converts  the  output  into  a  pulse  train,  effectively 
doubling  the  output  frequency,  while  preserving  the 
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Figure  27.  Frequency  Doubling 

better  low  frequency  linearity  of  the  AD654.  This  circuit 
also  accommodates  an  input  voltage  that  is  greater  than 
the  AD654  supply  voltage. 

Resistors  R1-R2  are  used  to  scale  the  0  to  +  10V  input  volt- 
age down  to  0  to  +  1 V  as  seen  at  pin  4  of  the  AD654.  Recall 
that  Vim  must  be  less  than  Vsupply  -4V,  or  in  this  case  less 
than  1 V.  The  timing  resistor  and  capacitor  are  selected 
such  that  this  0  to  +  IV  signal  seen  at  pin  4  results  in  a  0 
to  200kHz  output  frequency. 

The  use  of  R6,  C1  and  one  XOR  gate  doubles  this  200kHz 
output  frequency  to  400kHz.  The  voltages  seen  at  the 
input  of  the  second  section  of  the  74LS86  are  shown  in  the 
waveform  diagram.  Due  to  the  difference  in  the  charge 
and  discharge  time  constants,  the  output  pulse  widths  of 
the  74LS86  are  not  equal.  The  output  pulse  is  wider  when 


the  capacitor  is  charging  due  to  its  longer  rise  time  than 
fall  time.  The  pulses  should  therefore  be  counted  on  their 
rising,  rather  than  falling,  edges. 

2MHz,  Frequency  Doubling  V/F 

Operation  of  the  AD654  via  the  conventional  output  (pins 
1  &  2)  is  speed  limited  to  approximately  500kHz  for 
reasons  of  TTL  logic  compatibility.  However,  even  though 
the  output  stage  of  the  device  may  become  speed  limited 
at  this  output  the  multivibrator  core  itself  will  still  con- 
tinue to  oscillate  to  1MHz  or  more.  Advantage  can  be 
taken  of  this  feature  to  allow  even  higher  frequencies  of 
operation  then  might  be  expected,  frequencies  well  in  ex- 
cess of  500kHz.  To  implement  such  an  "exalted"  mode,  a 
basically  different  signal  extraction  method  is  used. 
Rather  than  using  the  internal  output  stage  the  timing 
capacitor  signal  is  buffered  and  zero  crossing  level  de- 
tected to  produce  a  high  speed,  TTL  square  wave  output. 

Figure  28  is  a  circuit  example  of  this  type  of  operation  il- 
lustrating a  2MHz  full  scale  V/F.  In  this  circuit,  the  AD654 
is  operated  at  a  FS  of  1mA  with  a  C,  of  100pF.  This 
achieves  a  basic  device  FS  frequency  of  1MHz  across  C,. 
The  P  channel  JFETs  Q1  and  Q2  buffer  the  differential  tim- 
ing capacitor  waveforms  to  a  low  impedance  level  where 
the  push-pull  signal  is  then  ac  coupled  to  the  high-speed 
comparator  A2,  an  LM360  (or  |iA760).  This  device  has  a 
low  delay  of  12ns  (typical),  and  push-pull  TTL  outputs. 
Hysteresis  is  used,  via  R7,  for  nonambiguous  switching 
and  to  eliminate  the  oscillations  which  would  otherwise 
occur  at  low  frequencies.  While  the  value  of  this  resistor 
is  not  critical,  it  must  not  be  omitted.  Without  the  hys- 
teresis the  circuit  will  generate  spurious  output  frequen- 
cies and  simply  be  uncontrollable. 

The  net  result  of  the  above  is  a  very  high-speed  circuit 
which  does  not  compromise  the  AD654  low  scale  dynam- 
ic range  as  the  FET  buffers  will  typically  have  only  a  few 
pA  of  bias  current.  At  the  other  extreme,  the  high  end 


Figure  28.  2MHz,  Frequency  Doubling  V/F  (Exalted  Mode) 


VOLTAGE-TO-FREQUENCY  CONVERTERS  23-55 


dynamic  range  is  limited  essentially  by  the  AD654  parasi- 
tic package  and  layout  capacitances  in  shunt  with  C„  and 
also  those  from  each  node  to  ac  ground.  A  tight,  minimum 
lead  length  PC  layout  will  help  between  A1-6/A1 -7  and  Q1/ 
Q2.  When  constructed  properly  the  circuit  is  capable  of 
stable  operation  to  frequencies  higher  than  1MHz.  A 
ground  plane  will  also  help  stability,  connnected  to  ana- 
log ground  at  one  point.  Low  impedance  bypasses  on  all 
supplies  are  also  needed,  as  noted. 

The  output  of  the  comparator  is  a  complementary  square 
wave  at  1MHz  FS.  The  XOR  gate  following  A2  acts  as  an 
edge  detector,  producing  a  short  (=50ns)  pulse  for  each 
input  state  transition.  This  effectively  doubles  the  V/F  FS 
frequency  to  2MHz  with  complementary  logic  outputs  at 
gates  A3-c  and  A3-d.  Note  that  this  frequency  doubler 
technique  is  not  at  all  unique  to  this  particular  V/F  circuit; 
it  can  be  applied  to  a  number  of  other  circuits  in  this  note 
as  well. 


The  final  result  is  a  1 V  FS  input  V/F  with  a  2MHz  FS  output 
capability.  The  increased  dynamic  range  and  speed  of 
this  circuit  can  open  up  many  additional  categories  of  ap- 
plications. For  example,  wider  data  bandwidths  can  now 
be  handled  by  the  V/F  since  the  operating  frequency  is 
about  an  order  of  magnitude  higher  than  is  standard.  High 
speed  data  communications  and  video  are  two  examples. 

Interestingly,  while  the  linearity  related  error  of  this  circuit 
is  not  as  good  as  it  might  be  if  the  V/F  were  to  be  operated 
at  100kHz,  the  relative  degradation  is  actually  much  less 
than  the  frequency  scaling  would  suggest.  For  example, 
whilea  100kHz  scaled  V/Fmighthavea  nonlinearity  on  the 
order  of  0.1%,  this  circuit  has  a  typical  nonlinearity  of 
about  of  0.5%  (or  less).  This  level  of  performance  is  useful 
for  many  types  of  applications,  particularly  so  in  view  of 
the  low  cost. 


■ 
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Manufacturer: 

Corning  Glass  Works 
3900  Electronics  Drive 
Raleigh,  NC,  27604 
(919)-876-1100 

F-Dyne  Electronics 
449  Howard  Ave. 
Bridgeport,  CT,  06605 
(2031-367-6431 

Optoelectronics  Division 
General  Instrument  Corp. 
3400  Hillview  Ave. 
Palo  Alto,  CA,  94304 
(415)-493-0400 

Tel-Labs,  Inc. 
154  Harvey  Road 
P.O.  Box  375 
Londonderry,  NH,  03053 
(6031-625-8994 


Component(s): 

NPO  (COG)  Ceramic  Caps 
Types  CAC02/03/04/05 


Polystyrene  Caps 
Type  PJ 

(See  Also  PSA,  PST  Types) 

4N137.6N135/6N136 
(See  Also 
Phototransistors, 
Photodiodes,  and  LEDs) 


WW  and  Metal  Film  Resistors 
(See  Also  Special  Linear,  PosTC 
:-*ors;  +140ppm/°C) 
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Using  the  AD650  Voltage-to-Frequency  Converter  As  a 
Frequency-to-Voltage  Converter 

By  Steve  Martin 


The  AD650  is  a  versatile  monolithic  voltage-to- 
frequency  converter  (VFC)  that  utilizes  a  charge 
balanced  architecture  to  obtain  high  performance  in 
many  applications.  Like  other  charge  balanced  VFCs 
the  AD650  can  be  used  in  a  reverse  mode  as  a 
frequency-to-voltage  (F/V)  converter.  This  application 
note  discusses  the  FA/  architecture  and  operation, 
component  selection,  a  design  example,  and  the 
fundamental  trade-off  between  output  ripple  and  circuit 
response  time. 

F/V  CIRCUIT  ARCHITECTURE 

Figure  1  shows  the  major  components  of  the  frequency- 
to-voltage  (FA/)  converter.  It  includes  a  comparator,  a  one- 
shot  with  a  switch,  a  constant  current  source,  and  a  lossy 
integrator.    When    the    input    signal    crosses  the 


Figure  1.  Circuit  Architecture 

threshold  at  the  comparator  input,  the  comparator  trig- 
gers the  one-shot.  The  one-shot  controls  a  single  pole 
double  throw  switch  which  directs  the  current  source  to 
either  the  summing  junction,  or  the  output,  of  the  lossy 
integrator.  When  the  one-shot  is  in  its  "on"  state,  there 
is  current  injected  into  the  input  of  the  integrator  and  its 
output  rises.  When  the  one-shot  period  has  passed,  the 
current  is  steered  to  the  output  of  the  integrator.  Since 
the  output  is  a  low  impedance  node,  the  current  has  no 
effect  on  the  circuit  and  is  effectively  turned  off.  During 
this  time  the  output  falls  due  to  the  discharge  of  CINT 
through  R,NT.  When  there  is  constant  triggering  applied 


to  the  comparator,  the  integration  capacitor  will  charge 
to  a  relatively  steady  value  and  be  maintained  by  con- 
stant charging  and  discharging.  The  charge  stored  on 
C,NT  is  unaffected  by  loading  because  of  the  low  output 
impedance  of  the  op  amp. 

THEORY  OF  OPERATION 

Figure  2  shows  a  simplified  representation  of  the  AD650 
in  the  FA/  mode.  Figure  3  represents  the  current  i(t) 
delivered  to  the  lossy  integrator.  The  current  can  be 
thought  of  as  a  series  of  charge  packets  delivered  at 

frequency  fm  =  -  with  constant  amplitude  (a)  and  dura- 
tion (tos). 


• — oVqut 


Figure  2.  Simplified  Schematic 


i(t) 


q  sviiawji  n 


Figure  3.  Current  i(t)  into  Integrator 


From  inspection  of  Figure  3  the  average  value  of  input 
current  is  found  by  dividing  the  area  of  the  current  i(t)  by 
the  period  T.  The  dc  component  of  the  output  voltage  is 
found  by  scaling  the  average  input  current  by  the  feed- 
back  resistor  R,NT. 


T 


(1a) 
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Equation  1a  becomes  a  linear  function  of  frequency 
when  f,N  is  substituted  for 


1 


V„ 


tos  '  "wr  '  oi  '  fit, 


(1b) 


Notice  that  the  relationship  between  the  average  output 
voltage  and  input  frequency  is  a  function  of  the  one-shot 
time  constant  and  the  feedback  resistor  but  not  of  the 
integration  capacitor.  This  is  because  the  integration  ca- 
pacitor is  an  open  circuit  to  dc.  From  Equation  1b  it's 
clear  that  the  most  practical  way  to  trim  the  full-scale 
voltage  is  to  include  a  trim  potentiometer  in  series  with 
RINT.  Typically  a  30%  trim  range  will  be  required  to 
absorb  errors  associated  with  tos  and  a. 

It  is  also  important  to  characterize  the  transient  response 
of  the  integrator  in  order  to  determine  settling  time  of 
the  FA/  to  a  step  change  of  input  frequency.  The  transfer 
function  of  the  lossy  integrator  is  given  in  the  frequency 
domain  by: 

tuqiuo  wo'  9rtl*o  an  -.o»d  onioapt    I  L>3...  ::•  &m  si  jintO 
VouriS)  Q^t 


S  + 


1 


(2) 


which  indicates  that  the  natural  or  step  response  to  a 
change  of  input  frequency  is  governed  by  an  exponen- 
tial function  with  time  constant  t  =  RINT  •  C,NT. 

With  the  average  output  voltage  and  transient  response 
known,  the  peak-peak  output  ripple  can  be  determined 
using  Equation  3.  Once  this  is  determined,  a  design 
algorithm  can  be  developed.  The  derivation  of  Equation 
3  is  provided  in  Appendix  A.1 

The  peak-peak  ripple  is  given  by: 


wrc  _  er/«c 


+  e" 


1-e™c 
where: 

tos  =  one-shot  time  constant 


(3) 


[seconds] 
[hertz] 
[ohms] 
[farads] 


T  =  period  of  input  frequency  (1/f,N) 

R  =  integration  resistor 

C  =  integration  capacitor 

a  =  current  source  value  (1mA  for  AD650)  [amps] 

Equation  3  accurately  represents  the  ripple  amplitude 
for  a  given  design.  The  following  section  shows  how  this 
equation  is  used  as  an  iterative  part  of  the  total  solution. 
Equation  3  can  also  be  used  to  illustrate  how  the  ripple 
amplitude  changes  as  a  function  of  input  frequency.  It  is 
interesting  to  note  that  the  ripple  amplitude  changes 
only  moderately  with  input  frequency  and  has  its  largest 
magnitude  at  the  minimum  frequency. 

DESIGN  PROCEDURE 

Recall  from  looking  at  Figure  3,  the  one-shot  "on"  time 
will  be  some  fraction  of  the  total  input  period.  This  is  the 
time  that  the  circuit  integrates  the  current  signal  a.  The 
output  ripple  can  be  minimized  by  allowing  the  current 

'The  essence  of  the  solution  was  captured  by  McGillem  and 
Cooper  in  [1]. 


source  to  be  on  during  the  majority  of  this  period.  This  is 
achieved  by  choosing  the  one-shot  time  constant  so  that 
it  occupies  almost  the  full  period  of  the  input  signal 
when  this  period  is  at  its  minimum  (or  the  input  fre- 
quency at  its  maximum).  To  design  safely  and  allow  for 
component  tolerance  at  fmax,  make  tos  approximately 
equal  to  90%  of  the  minimum  period.  Given  tos,  the 
value  of  the  one-shot  timing  capacitor,  Cos,  is  deter- 
mined from  Equation  1  in  the  AD650  data  sheet.  This 
equation  has  been  rearranged  and  appears  here  as: 
tos  -3-  10~7sec 


6.8  •  Wsec/F 


(4) 


[NOTE:  For  maximum  linearity  performance  use  a  low  dielectric 
absorption  capacitor  for  Cos.] 

where  tos  is  in  seconds  and  Cos  is  in  farads. 

Once  Cos  is  known,  the  integration  resistor  is  uniquely 
determined  from  the  full-scale  equation  (Equation  lb), 
since  tos,  a,  f,N,  and  VOUT  are  known.  This  leaves  only 
the  integration  capacitor  as  the  final  unknown. 

C,NT  is  chosen  by  first  determining  the  response  time  of 
the  device  being  measured.  If,  for  example  the  fre- 
quency signal  to  be  measured  is  derived  from  a  mechan- 
ical device  such  as  an  aircraft  turbine  shaft,  the 
momentum  of  the  shaft  and  the  blades  should  be  used 
to  determine  the  response  time.  The  time  constant  of  the 
FA/  is  then  set  to  match  the  time  constant  of  the  mechan- 
ical system.  It  may  be  set  somewhat  lower  depending  on 
the  desired  total  response  time  of  the  mechanical  and 
electrical  system.  Remember  to  allow  several  time  con- 
stants (N)  for  the  FA/  to  approach  its  final  value.  For  the 
first  iteration  of  C,NT  use  the  following  expression: 


C/vr  - 


Mechanical  Response  Time 


ne 


(5) 


N  ■  R,NT 

where  N  is  the  number  of  time  constants  chosen  to 
allow  adequate  settling.  Table  I  may  be  used  to  deter- 
mine the  number  of  time  constants  required  for  given 
settling  accuracy. 

Table  I.  Settling  Accuracy  vs.  Number  of  Time  Constants 


#  of  Time 

Constants 

(N) 

#  of  Bits 

%  Accuracy 

4.16 

6 

1.6 

4.85 

7 

0.8 

5.55 

8 

0.4 

6.23 

Aqrti  Kriai 

0.2 

6.93 

10 

0.1 

0.05 

0.024 

7.62 

11 

8.30 

12 

9.00 

13 

0.012 

9.70 

14 

0.006 

10.4 

15 

0.003 

11.0 

16 

0.0015 

- 
- 
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A  larger  number  of  time  constants  will  give  a  more 
responsive  circuit  but  will  also  increase  the  ripple  at  the 
FA/  output.  A  practical  approach  is  to  start  with  8  bit 
settling  accuracy  using  N  =  6  time  constants  and  in- 
crease or  decrease  N  depending  on  ripple  content. 

The  ripple  content  is  calculated  using  Equation  3.  Re- 
member that  the  ripple  amplitude  will  change  with  fre- 
quency and  will  be  largest  at  the  lowest  frequency.  It  is 
also  important  to  note  that  while  in  some  cases  the 
ripple  amplitude  may  be  large,  the  average  value  of  the 
output  voltage  will  always  represent  the  input  frequency 
(unless  the  ripple  gets  too  close  and  "clips"  at  the  posi- 
tive supply  rail).  Figure  4  shows  an  example  of  how 
output  ripple  amplitude  will  change  with  input  fre- 
quency for  a  typical  application.  This  graph  was  ob- 
tained by  plotting  Equation  3  over  the  full  range  of  input 
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Figure  4.  P-P  Ripple  vs.  Frequency  (See  Design  Example) 

frequencies.  For  design  purposes  it  is  only  necessary  to 
calculate  ripple  at  the  worst  case  frequency  (fmin).  Fig- 
ure 5  summarizes  the  design  procedure. 

DESIGN  EXAMPLE 

The  rpm  of  an  automobiles  engine  is  to  be  monitored  for 
use  by  an  on-board  computer.  The  rpm  signal  which  will 
be  generated  from  an  FA/  converter  is  to  be  digitized 
with  an  8-bit  A/D  converter.  The  rpm  range  of  the  engine 
extends  from  300  rpm  to  7000  rpm.  A  200  tooth  flywheel 
at  these  rotational  speeds  will  generate  pulses  from 
1  kHz  up  to  23  kHz.  The  response  time  to  a  step  change 
in  throttle  position  of  the  engine  has  been  measured,  in 
neutral,  to  be  400  ms.  The  goal  is  to  design  an  FA/  con- 
verter that  will  respond  at  approximately  the  same  rate 
as  the  engine  or  faster  and  will  have  ripple  that  is  unde- 
tectable by  the  A/D  converter.  The  A/D  converter  has  a 
ten  volt  full  scale. 

1.  Let  tos  be  0.9  ■  t~—  =  0.9  x  43.5  (is  =  39  \is. 

2.  Find  Cos  =  0.0057  u,F  (from  Equation  4) 

(an  impractical  value  for  polystyrene,  but  tantalum 
may  be  used  with  reduced  linearity). 


3.  R, 


10  V 


1  mA 
tion  1b). 


39  )as  •  23  kHz 


=  11.14  kn  (from  Equa- 


DETERMINE  VARIABLES:  f  ml„,  f  „ 
 ,  Time,  Full-scale 


CALCULATE: 
t„.  =  0.9/fm, 


Find  Cos  Given  t0s  Using 
Equation  4. 


Find 

Rint  Given  V  Full-Scale  and  t  Qs 
Using  Equation  1  b. 


- 


Determine  N  by  System  Accuracy 
Using  Table  I  (Default  to  6  If  Unsure). 
 .  

 T  * 


Find  C  int  Using  Equation  5. 


Calculate  Ripple  Using  Equation  3 
and  Fmin. 


X 


Decrease  N  to 
Trade  Response 
Time  for  Ripple. 


M  NO 


C  iut  Is  Known. 


C 


Design  Complete. 


) 


Figure  5.  Design  Flowchart 

(If  RINT,  the  load  seen  by  the  amplifier,  is  less  than 
1  kfi,  then  tos  must  be  reevaluated.) 

4.  From  Table  I  an  RC  network  can  settle  to  8  bits  in  6 

400  ms 

time  constants  so:  C,NT  =      n  14kn  =  6  l*F- 

5.  Ripple  =  6.25  mV  @  300  rpm  and  0.67  mV  @  7000 
rpm  (from  Equation  3). 

6.  1/2  LSB  size  for  an  8-bit  converter  with  10  V  full  scale 
is  19.5  mV.  Fortunately  the  ripple  is  below  the  quan- 
tization level  on  the  first  iteration.  If  desired,  the  inte- 
gration capacitor  may  be  lowered  to  reduce  response 
time  of  the  FA/  converter. 

7.  Guessing  C,NT  =  3.0  u.F  or  using  an  iterative  com- 
puter program  gives  a  maximum  ripple  content  of 
12.5  mV  and  a  response  time  of  200  ms. 
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primary  importance,  the  integration  capacitor  may  be 
lowered  at  the  expense  of  increased  ripple.  Similarly,  if 
ripple  is  paramount,  the  integration  capacitor  must  be 
increased  resulting  in  slower  response.  The  design  pro- 
cedure outlined  above  assumes  that  ripple  content  is  the 
less  desirable  effect.  Rather  than  increasing 

C|nt»  3  low- 
pass  filter  could  be  used,  but  this  also  slows  the  re- 
sponse time.  An  approximation  to  determine  total 
response  time  of  two  cascaded  systems,  each  with  sep- 
arate response  times,  can  be  found  by  using  the  "root 
sum  of  squares"  technique. 

Ttotal  =   V7U2  +  TB2 

This  leads  to  the  "three  to  one"  rule,  i.e.,  if  TA  is  more 
than  three  times  TB  and  their  squares  are  added,  TB  may 
be  ignored,  hence,  TA  is  the  total  response  time  of  the 
system. 

SUMMARY 

Low  cost  voltage-to-frequency  converters  can  be  used  in 
the  frequency-to-voltage  mode.  Trade-offs  exist  be- 
tween output  settling  time  and  ripple  with  the  selection 
being  application  specific.  However  using  the  design 
guidelines  highlighted  in  this  note,  optimized  perfor- 
mance can  be  achieved  in  many  applications. 
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Figure  6.  Typical  Ripple  Output 
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Figure  7.  Response  to  Step  Change  in  Frequency 
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NOTE 

This  circuit  of  Figure  8  should  be  used  in  place  of  the  one 
shown  in  Figure  6  of  the  AD650  data  sheet  if  the  input 
signal  has  slower  edges  than  the  one-shot  time  delay.  In 
such  cases  the  comparator  has  a  tendency  to  "double 
trip"  possibly  giving  inaccurate  results.  This  new  circuit 
uses  the  open  collector  output  to  pull  down  on  the  input 


signal  until  the  one-shot  period  occurs.  After  this  time 
it  gets  pulled  up  by  the  +5  V  supply.  This  circuit 
may  not  be  needed  for  all  applications  since  fast  edges 
such  as  a  TTL  signal  will  give  accurate  results  with 
the  previous  configuration.  This  circuit  has  the  disadvan- 
tage of  requiring  a  +5  V  supply  and  increased  power 
consumption. 


Figure  8.  Circuit  Showing  Modified  Input  Structure 
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APPENDIX  A:  DERIVATION  OF  RIPPLE  EQUATION 

From  Figure  2,  one  period  l(t)  is  given  by: 


Mr)  =  a[u(f)  -  u(f-tos)]  where  a  =  1  mA 


which  can  be  massaged  into  ■ 


UMf)}  =  " 


1  1 


_(1  -e  s'os) 


Using  the  rule  for  repeated  cycles  gives: 


MS)  =  MS) 


1 


1  -  e  '5 
From  Figure  2  we  have 

VoutW 


so  MS)  =  /(S)  =  - 


a  [1  -  e_st°>] 


S  [1  -  e  "] 


If  we  are  interested  in  just  one  period  of  the  steady  state 
solution  we  can  drop  all  periods  but  the  first  by  simply 
removing  all  terms  containing  eTS  (again  this  goes  back 
to  the  rule  for  laplace  transform  of  a  periodic  function 
given  just  one  period), 


<(t) 


dVouiW    ...  . 
- —  +  C  — -t: —  which  gives: 
n  at 


PS 


so:  Visit)  = 


US) 


m  =  vour(S) 
i 

c 


#3 


and  for  the  solution  as  it  exists  before  tos  drop  all  e~s,os 
terms 


PS 


s  + 


leaving: 


S  S  + 


1 

fie 


but  using  l(S)  from  above  gives: 


Vour(S)  =  IW(S) 


1       C      [1  -  e-s,<»] 


which  can  be  represented  as 

ofi         aft  +p 
S 


by  using  partial  fraction  expansion. 


The  transient  portion  of  the  solution  results  from  evalu- 
ating this  expression  at  the  frequency  S  =  —  -^z.  which 

ftC 

gives  the  residue: 


So  now  Vss(t)  =  [aR  -  (aR  +  pie"0"0]  u(t)  for  0  <  t  < 
los-  Vss(t)  for  the  second  half  of  the  period  (tos  <  t  <  T) 
can  be  found  by  subtracting  all  terms  containing  e"s,os 
from  the  solution  before  tos. 


VssW  =  [aft  -  (afi  +  P)  e-""0]  u(t)  -  L- 


which  can  be  called 


P 


a 


lS(S  +  ^)J 


s  + 


for  simplicity 


where  p  = 


fiC 

a      [1  -  e>oS*C] 


Again  using  partial  fraction  expansion  and  manipulating 
gives: 


and  so  VtranM  =  Pe""™  u(t) 


Visit) 


afi  +  p 


g-it-^wc  tQs  <t<T 


The  total  response  of  the  system  is  the  sum  of  the  tran- 
sient response  and  the  steady  state  response: 

or  VTOTAL(S)  =  VTRAN(S)  +  VSS(S)  and  so: 

VsslS)  =  VTOTAL(S)  -  VTRAN(S) 

using  VTotal  and  VTRAN  from  above  gives: 


vis(S)  = 


[1  -  e~st°q 


The  lowest  point  on  the  steady  state  wave  can  be  found 
by  evaluating: 

Vss  (t)  I  o-=t^tos  @  t  =  0  which  gives  VLOW  =  -p. 

Likewise  the  highest  value  of  the  wave  can  be  found  at 
tos  which  gives: 

VHIGH  =  aR  -  (aR  +  p)e~tos/RC  and  substituting  p  gives: 


afi  -  afi 


CS 


[,-ELl* 
V  [1-e 


r/RC] 


Finally  the  p-p  ripple  is  found  by  subtracting  VLOW  from 
VHigh-  After  more  manipulation  Equation  3  results. 
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Grounding  for  Low-  and  High-Frequency  Circuits 
Know  Your  Ground  and  Signal  Paths  for  Effective  Designs 
Current  Flow  Seeks  Path  of  Least  Impedance  -  Not  Just  Resistance 

by  Paul  Brokaw  and  Jeff  Barrow 


Noise  reduction  is  a  significant  design  issue  in  most  electronic 
systems.  Along  with  dissipation  constraints,  ambient  temperature 
changes,  size  limitations,  and  speed  &  accuracy  requirements, 
noise  is  an  omnipresent  factor  that  must  be  dealt  with  for  a 
successful  final  design.  We  are  not  concerned  here  with  tech- 
niques for  reducing  external  noise  (which  arrives  with  the  ! 
since  its  presence  is  generally  beyond  the  direct  control  of  the 
design  engineer;  it  must  be  dealt  with  in  the  operational  design  of 
the  system  by  means  such  as  filtering,  analog  signal  processing, 
and  digital  algorithms. 

In  contrast,  preventing  internal  noise  (noise  generated  or  coupled 
within  the  circuit  or  system)  from  corrupting  the  signal  is  a  direct 
responsibility  of  the  design  engineer.  Noise  sources,  if  not  fully 
considered  early  in  the  design  cycle,  can  adversely  affect  final  per- 
formance and  prevent  the  high-resolution  potential  of  a  system 
from  being  realized;  at  the  very  least,  costly  redesign  and  rework 
may  be  required.  Some  of  the  design  factors  that  relate  noise  to 
system  behavior  have  been  treated  in  earlier  articles  in  these 
pages1,2,3,4'5.  Here,  we  consider  the  major  role  that  schematic, 
topology,  and  final  layout  of  the  system  "ground"  play  in  mini- 
mizing the  coupling  of  internally  generated  noise. 

To  deal  adequately  with  noise,  we  need  several  perspectives:  the 
actual  internal  pin  connections  of  a  component,  versus  the  con- 
ceptual ones;  the  proposed  schematic  for  ground-referenced  sig- 
nals; and  the  effects  of  layout  on  noise  generation  and  pickup. 
These  subjects  divide  into  two  overlapping  domains,  depending 
on  bandwidth  of  the  noise  phenomena;  ground-noise  sources, 
problems,  and  solutions  differ  at  low  and  high  frequencies.  For- 
tunately, good  grounding  practices  in  one  band  are  generally 
compatible  with  those  in  the  other. 

"'Noise  and  Operational  Amplifier  Circuits,"  by  D.  H.  Sheingold  and  L.  R. 
Smith,  Analog  Dialogue  3-1  (1969). 

^'Understanding  Interference-Type  Noise,"  by  Alan  Rich,  Analog  Dialogue 
16-3  (1982). 

'"Shielding  and  Guarding,"  by  Alan  Rich,  Analog  Dialogue  17-1  (1983). 
"'Ground  Rules  for  High-Speed  Circuits,"  by  Don  Brockman  and  Arnold 
Williams,  Analog  Dialogue  17-3  (1983). 

'"Amplifier  Noise  Basics  Revisited,"  by  Al  Ryan  and  Tim  Scranton,  Analog 
Dialogue  18-1  (1984). 


Reprinted  from  Analog  Dialogue  23-3  1989 


BASIC  OP-AMP  INTERCONNECTIONS 

Many  discussions  of  op  amps  present  the  ideal  op  amp  as  a 
three-terminal  device  with  a  pair  of  differential  inputs  and  a  single 
output  (Figure  1).  But  the  output  voltage  has  to  be  measured  with 
respect  to  some  reference  point,  and  output  current  from  the 
•  must  find  a  closed  circuit  back  to  the  amplifier.  The 


Figure  1.  Conventional  "three  terminal"  op  amp. 
infinite  common-mode  rejection  of  the  ideal  differential  op  amp 
disengages  the  input  and  output  reference  potentials,  and  the  high 
input  impedance  eliminates  the  possibility  of  using  an  input  ter- 
minal as  an  output  current  return;  so  there  must  be  a  fourth 
terminal,  which  some  call  "ground." 

Of  course,  most  IC  op  amps  don't  have  a  "ground"  connection; 
the  fourth  terminal  is  generally  considered  to  be  the  common 
connection  of  a  dual  power  supply  (which  may  also  be  serving 
other  amplifiers  and  system  elements).  While  it  indeed  serves  this 
function  at  low  frequencies,  it  will  continue  to  do  so  only  as  long 
as  the  supply  connections  actually  present  the  amplifier  with  a  low 
(ideally  zero)  impedance  at  all  frequencies  within  the  amplifier 
bandwidth.  When  this  requirement  is  not  met,  the  impedance  at 
the  supply  terminals  affects  the  signal  path  and  a  wide  variety  of 
problems  will  arise,  including  noise,  poor  transient  response,  and 
oscillation. 

An  op  amp  must  accept  a  fully  differential  signal  and  convert  this 
to  a  single-ended  output,  with  respect  to  the  fourth  terminal. 
Figure  2  shows  the  actual  signal  flow  used  by  several  basic  and 
popular  op  amp  families.  Most  of  the  voltage  difference  between 
the  amplifier  output  and  the  negative  rail  appears  across  the 
compensating  capacitor  of  the  integrator  (which  controls  the  open- 
loop  frequency  response);  if  the  negative  supply  voltage  changes 
abruptly,  the  output  of  the  integrator  amplifier  will  immediately 
follow  its  "+"  input.  With  the  op  amp  in  a  typical  closed-loop 
ation,  the  input  error  signal  tends  to  restore  the  output, 
:  integrator  bandwidth. 
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This  type  of  amplifier  may  have  excellent  low-frequency  power- 
supply  rejection,  but  negative  supply  rejection  is  limited  at  higher 
frequencies.  Since  the  amplifier's  gain  is  what  causes  the  output  to 
be  restored,  the  negative  supply  rejection  approaches  zero  for 
signals  above  the  closed-loop  bandwidth.  The  result:  high-speed, 
high-level  circuits  can  interact  with  the  low-level  circuits  through 
the  common  impedance  of  the  negative  supply  line. 

Decoupling  often  is  the  recommended  solution,  but  there  are  many 
wrong  and  some  better  ways.  A  decoupling  capacitor  near  the 


Allowing  ground  currents  to  share  a  path  with  a  low-level  signal 
can  cause  problems.  Figure  5  shows  how  careless  grounding  can 
degrade  the  performance  of  an  amplifier  driving  a  load  resistor. 
The  load  current  is  supplied  by  the  power  supply  and  controlled 
by  the  amplifier.  If  points  A  and  B  are  power  supply  "ground" 
connections,  connecting  the  supply  at  A  causes  the  load  current  to 
share  a  segment  of  wire  with  the  input  signal  connections. 

For  example,  fifteen  centimeters  of  number  22  wire  present  about 
8  mfi  of  resistance  to  the  load  current.  For  a  2-kfi  load,  a  10-volt 


Figure  2.  Simplified  "real"  op  amp. 
power  supply  may  be  separated  from  the  op  amp  by  many  centi- 
meters of  wire,  which  looks  like  a  high-Q  inductor.  Placing  the 
decoupling  capacitor  near  the  op  amp  may  still  not  solve  the 
problem  since,  for  decoupling,  the  other  end  of  the  capacitor  must 
be  connected  to  that  mystical  somewhere  called  "ground." 

Figure  3*  shows  how  a  decoupling  capacitor  is  connected  to  to 
minimize  disturbances  between  the  negative  rail  and  ground 
buses.  The  load  current's  high-frequency  component  is  confined 
to  a  path  that  doesn't  include  any  part  of  the  ground  path.  As  an 
example  of  a  more  complex  case,  in  Figure  4,  the  op  amp  is 
driving  a  load  that  goes  to  virtual  ground  (input  of  the  second 
ampUfier)  and  actual  load  current  does  not  return  to  ground. 
Instead,  it  must  be  supplied  by  the  second  amplifier  via  its  posi- 
tive supply.  Decoupling  the  negative  supply  of  the  first  ampUfier 
to  the  positive  supply  of  the  second  one  closes  the  high-speed 
signal  current  loop  without  affecting  ground  or  signal  paths. 


Figure  4.  Decoupling  of  negative  supply  for  "virtual 
ground"  load. 


OUTPUT  SIGNAL 


Figure  3.  Decoupling  of  negative  supply  for  a  grounded 
load. 

•Many  of  these  illustrations  can  he  found  in  the  free  Application  Note,  "An 
I.  C.  Amplifier  User's  Guide  to  Decoupling,  Grounding,  and  A' 
Go  Right  for  a  Change,"  by  Paul  Brokaw. 


Figure  5.  Proper  choice  of  power  connections  will  minimize 
this  problem. 

output  swing  results  in  about  40  jiV  between  the  points  marked 
AV.  This  signal  is  in  series  with  the  non-inverting  input  and  can 
result  in  significant  errors:  for  an  amplifier  with  a  gain  of 
8  million,  this  positive  feedback  of  1/250,000  introduces  a  gain 
error  factor  32  x  worse  than  that  associated  with  the  amplifier's 
open-loop  gain  alone.  In  addition,  the  positive  feedback  can  cause 
circuit  latchup  or  oscillation  for  large  closed-loop  gains  (typically 
>250  V/mV).  But  the  common  feedback  impedance  can  be  elim- 
inated by  connecting  the  power  supply  to  point  B. 

In  a  real  system,  the  situation  is  more  complicated.  The  input 
signal  source,  shown  as  floating  in  Figure  5,  may  also  produce  a 
current  which  must  be  returned  to  the  power  supply.  With  the 
supply's  return  at  B,  any  current  flowing  in  additional  loads  other 
than  may  interfere  with  this  amplifier's  operation.  Where 
amplifiers  are  cascaded,  the  scheme  in  Figure  6  shows  how  they 
can  still  drive  auxiliary  loads  without  common-impedance  feed- 
back coupling.  Output  currents  flow  through  auxiliary  loads  and 
back  to  the  power  supply  through  the  power  common.  Bypasses 
are  connected  as  shown  in  Figure  4  so  that  currents  in  the  input 
and  feedback  resistors  are  supplied  from  the  power  supply  via  the 
amplifiers.  Only  amplifier  input  current  flows  in  signal  common; 
its  effect  is  usually  small  enough  to  ignore. 

Understanding  where  the  actual  load  and  signal  currents  go  is 
essential.  The  key  to  optimizing  the  circuit  is  to  bypass  these 
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POWER  COMMON 


Figure  6.  Minimizing  common  impedance  coupling, 
currents  around  ground  and  other  signal  paths.  The  voltage 
—more  accurately  called  the  potential  difference— between  two 
points  defines  such  a  current  flow. 


—  SCHEMATIC 

Figure  7.  Schematic  and  layout  of  current  source  with 
U-shaped  trace  on  pc  board  and  return  through  ground 
plane. 

GROUNDING  FOR  HIGH-FREQUENCY  OPERATION 

The  "ground-plane"  layer  is  often  advocated  as  the  best  return  for 
power  and  signal  current,  while  providing  a  reference  node  for 
converters,  references,  and  other  subcircuits.  However,  even 
extensive  use  of  a  ground  plane  does  not  ensure  a  high  quality 
ground  reference  for  ac  circuits. 

The  simple  circuit  shown  in  Figure  7,  built  on  a  two-layer  printed 
circuit  board,  has  an  ac  and  dc  current  source  on  the  top  layer 
connected  to  via  1  at  one  end  and  to  a  single  U-shaped  copper 
trace  connected  to  via  2.  Both  vias  go  through  the  circuit  board 
and  connect  to  the  ground  plane.  Ideally,  impedance  is  zero  and 
the  voltage  appearing  across  the  current  source  should  be  zero. 

The  simple  schematic  hardly  begins  to  show  the  actual  subtleties. 
But  an  understanding  of  how  the  current  flows  in  the  ground 
plane  from  via  1  to  via  2  makes  the  realities  apparent  and  shows 
how  ground  noise  in  high-frequency  layouts  can  be  avoided. 


ON  TOP  TRACE 


*—  GROUND-PLANE 


Figure  8.  DC  current  path  for  Figure  7. 

The  dc  current  flows  in  the  manner  of  Figure  8,  as  one  might 
surmise,  taking  the  path  of  least  resistance  from  via  1  to  via  2. 
Some  current  spreading  occurs,  but  little  current  flows  at  substan- 
tial distance  from  this  path.  In  contrast,  the  ac  current  does  not 
take  the  path  of  least  resistance;  it  takes  the  path  of  least  imped- 
ance, which  in  turn  depends  on  inductance. 


Inductance  is  proportional  to  the  area  of  the  loop  made  by  the 
current  flow;  the  relationship  can  be  illustrated  by  the  right-hand 
rule  and  magnetic  fields  shown  in  Figure  9.  Inside  the  loop, 
current  along  all  parts  of  the  loop  produces  magnetic  field  lines 
that  add  constructively.  Away  from  the  loop,  however,  field  lines 
from  different  parts  add  destructively;  thus  the  field  is  confined 
principally  within  the  loop.  A  larger  loop  has  greater  inductance; 
this  means  that,  for  a  given  current  level,  it  has  more  stored 
magnetic  energy  (Li2),  greater  impedance— since  XL  =  jwL,  and 
hence  will  develop  more  voltage  at  a  given  frequency. 

Which  path  will  the  current  choose  in  the  ground  plane?  Natu- 
rally the  lowest-impedance  path.  Considering  the  loop  formed  by 
the  U-shaped  surface  lead  and  the  ground  plane,  and  neglecting 
resistance,  high-frequency  ac  current  will  follow  the  path  with  the 
least  inductance,  hence  the  least  area. 


FLUX  LINES 
AROUND 
TOP 
WIRE 


Figure  9.  Magnetic  field  lines  and  inductive  loop 


Figure  10.  AC  current  path  without  (left)  and  with  (right) 
resistance  in  ground  plane. 

In  the  simple  example  shown,  the  loop  with  the  least  area  is  quite 
evidently  formed  by  the  U-shaped  top  trace  and  the  portion  of  the 
ground  plane  directly  underneath  it.  So,  while  Figure  8  shows  the 
dc  current  path,  Figure  10  (left)  shows  that  the  path  that  most  of 
the  ac  current  takes  in  the  ground  plane,  where  it  finds  minimum 
area,  directly  under  the  U-shaped  top  conductor.  In  practice,  the 
resistance  in  the  ground  plane  causes  the  current  flow  at  low-  and 
mid-frequencies  to  be  somewhere  between  straight  back  and 
directly  under  the  top  conductor  (right).  However,  the  return 
path  is  nearly  under  the  top  trace  even  at  frequencies  as  low  as 
1  or  2  MHz. 

Avoiding  Layout  Problems  Once  the  return  current  paths  in  the 
ground-plane  are  understood,  common  layout  trouble  spots  can  be 
identified  and  corrected.  For  example,  in  Figure  11,  path  A  is 
identified  as  critical,  to  be  kept  short,  away  from  digital  lines,  and 
free  of  vias.  Path  B  is  of  lesser  importance,  but  needs  to  cross  A. 
Typically,  the  ground  plane  is  cut  under  A,  and  B  is  then  routed 
through  two  vias  and  under  A. 

The  unfortunate  result  is  that  inductance  is  introduced  into  the 
ground  returns  of  both  signals,  because  the  interrupted  ground 
plane  makes  both  return  loops  larger.  Since  path  A  conducts  a 
high-frequency  signal,  an  induced  voltage  drop  will  appear  across 
the  opening  of  the  ground  plane.  For  typical  ECL  or  TTL  signals, 
this  drop  can  be  greater  than  several  hundred  millivolts,  enough 
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to  seriously  compromise  the  performance  of  a  12-bit,  10-MHz 
converter  or  an  8-bit,  20-MHz  unit.  A  simple  fix  is  to  install  a 
wire  directly  across  the  cut  in  the  ground  plane  to  keep  the  loop 
area  small. 

Power  distribution  is  another  area  of  concern.  Power  supply  lines 
must  be  kept  at  lowest  possible  characteristic  impedance  (\/L/C). 
To  keep  this  ratio  small,  inductance  is  reduced  and  capacitance 
increased  by  maintaining  ground  planes  under  the  supply  lines; 
capacitance  can  be  further  increased  by  selectively  placing  bypass 
capacitors  at  critical  locations,  as  discussed  earlier.  If  only  capac- 
itance is  dealt  with  by,  for  example,  placing  0.1-u.F  capacitors  on 
supply  pins  to  lower  their  impedance,  a  supply  line  with  30-nH 
inductance  will  have  damped  oscillations  at  about  3  MHz  after 


every  transient. 


GROUND-PLANE 
IS  CUT 

jj    |    PATH  B  IS  ROUTED  UNDER  A 

PATH  A 


\  PATH  A  RETURN 
CURRENT  IN 
GROUND  PLANE 

INDUCED  VOLTAGE  DROP 


Figure  11.  Typical  PC  layout  problem,  with  paths  crossing. 
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Ground  Rules  for  High-Speed  Circuits 

Layout  and  Wiring  Are  Critical  in  Video-Converter  Circuits 
How  to  Keep  Interference  to  a  Minimum 
by  Don  Brockman  and  Arnold  Williams 


In  recent  issues,  Analog  Dialogue  has  dealt  extensively 
with  topics  in  shielding  and  grounding,1-  2  emphasizing 
the  techniques  needed  to  protect  the  integrity  and  preci- 
sion of  analog  signals  in  the  dc  and  audio-frequency 
domain  from  interfering  signals,  whether  at  line  fre- 
quency or  at  much  higher  frequencies.  To  complement 
those  articles,  we  suggest  here  the  elements  of  good 
practice  for  high-resolution  "video  speed"  converters, 
i.e.,  converters  of  10-bit  or  greater  resolution,  operating 
at  word  rates  above  7  MHz. 

Electronics  may  be  frustrating  for  designers  who  cross 
the  threshold  from  low-resolution-low-speed  to  high- 
resolution-high-speed  designs,  or  from  digital  to  analog- 
signal-conditioning  circuits.  For  them,  it  often  seems  the 
"ground  rules"  have  changed. 

Experienced  designers  can  readily  attest  to  the  difficulty 
of  obtaining  consistent  grounds.  They  can  relate  stories 
about  the  ground  that  wasn't  where  they  thought  it  was, 
or  the  ground  that  wasn't  there  at  all,  despite  a  convic- 
tion that  "it  has  to  be."  On  printed-circuit  (p-c)  boards, 
wires  and/or  runs  that  seemed  to  be  perfectly  good 
grounds  are  transformed  into  inductors  or  worse  in 
high-speed  or  high-frequency  circuits. 
At  ADI's  Computer  Labs  Division,  where  high-speed  cir- 
cuits are  its  bread  and  butter,  applications  engineers 
have  found  that  grounding  is  the  focus  of  a  large  per- 
centage of  questions  from  designers  making  their  initial 
foray  into  high-speed  circuits.  In  most  cases,  the  design- 
ers encountered  difficulties  as  the  result  of  being  un- 
aware of— or  ignoring-certain  basic  ground  rules. 

BASIC  PC-CARD  RULES 

Knowledgeable  high-speed  circuit  designers  have 
learned  that  every  square  inch  of  a  printed-circuit  board 
which  doesn't  contain  circuits  or  conducting  runs  should 
be  ground  plane.  Violating  that  simple  rule  invites  disas- 
ter. But  sometimes,  strict  adherence  to  the  rule  is  still  no 
guarantee  of  success  if  circuit  density  is  too  high;  then 

'Alan  Rich,  "Understanding  Interference-Type  Noise,"  Analog  Dia- 
logue 16-3,  1982,  pages  16-19. 

zAlan  Rich,  "Shielding  and  Guarding,"  Analog  Dialogue  17-1,  1983, 
pages  8-13. 


one  must  reduce  the  density  and  create  more  "real  es- 
tate" for  the  ground  plane. 

Our  applications  engineers  strongly  recommend  that  all 
bread-board  designs  be  done  on  double-sided  copper- 
clad  boards.  Although  this  is  not  a  sure  cure  for  ground 
problems,  it  improves  the  designer's  chances. 
Another  basic  rule  for  working  with  high-speed  and/or 
high-frequency  printed-circuit-board  designs  is  to  con- 
nect analog  ground  and  digital  ground  together  within 
the  PC  board.  Connecting  the  two  grounds  enhances  the 
performance  of  the  converters  when  they  are  operated 
either  by  themselves  or  as  tightly  knit  subsystems.  How- 
ever, it  can  raise  some  system-level  problems,  to  be 
discussed  below. 

Another  rule  for  printed-circuit-board  designs  containing 
analog  and  digital  circuitry  is  to  use  every  available 
spare  pin  for  making  ground  connections,  and  to  use 
those  pins  to  separate  the  analog  and  digital  signals 
entering  or  leaving  the  board. 

Avoid  using  purely  insulating  (e.g.,  "Vector")  bread- 
boards and  small-diameter  hookup  wire  (e.g.,  #24)  for 
connections,  including  supply  voltages  and  grounds. 
The  approach  will  create  ground  and  noise  problems  if 
the  circuit  is  intended  to  operate  at  1  MHz  or  more  (it  will 
probably  lead  to  problems  at  even  slower  speeds). 
To  summarize:  Use  double-sided  copper-clad  boards 
with  maximum  ground  area  and  heavy,  well-located 
power-supply  and  ground-return  leads.  Tie  rounds  to- 
gether locally. 

GENERAL  CIRCUIT  PRACTICE 

Any  subsystem  or  circuit  layout  operating  at  high 
speeds  with  both  analog  and  digital  signals  needs  to 
have  those  signals  physically  separated  as  much  as  pos- 
sible to  prevent  possible  crosstalk  between  the  two.  Dig- 
ital signals  leaving  or  entering  the  layout  should  use 
runs  that  have  minimum  length.  The  shorter  the  digital  Wt\ 
runs,  the  lower  the  likelihood  of  coupling  to  the  analog 
circuits. 

Analog  signals  should  be  routed  as  far  from  digital  sig- 
nals as  size  constraints  allow;  and  the  two,  ideally 
should  never  closely  parallel  one  another's  paths.  If  they 
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must  cross,  they  should  do  so  at  right  angles  to  mini- 
mize interference.  Coaxial  cables  may  be  necessary  for 
analog  inputs  or  outputs  — a  demanding  condition  me- 
chanically, but  sometimes  the  only  solution  electrically. 
When  combining  track-and-hold  and  a/d-converter  hy- 
brids or  modules  on  the  same  board,  keep  them  as  close 
together  as  is  practical.  All  grounds  need  to  be  con- 
nected to  the  single,  low-impedance  ground  plane:  and 
the  connections  should  be  made  right  at  the  units  them- 
selves (another  argument  for  having  large  amounts  of 
good,  solid  ground  plane  available  all  over  the  p-c 
board). 

A  suggested  practical  approach  for  accomplishing  this  is 
illustrated  in  Figure  1,  which  shows  a  flow-chart  layout, 
as  the  preferred  method  for  combining  high-speed  ana- 
log and  digital  circuits  on  a  p-c  board. 
If  one  assumes  a  10-volt  input  range  on  the  12-bit  a/d 
converter,  the  least-significant  bit  (LSB)  of  the  ADC  will 
have  a  value  of  2.5  mV  (10  V/4,096).  Assume  that  a  single 
pin  of  the  p-c  connector,  which  is  used  for  ground,  has  a 
resistance  of  0.05  ohm-and  that  the  p-c  card  draws  a 
total  of  1.5  amperes. 

The  voltage  drop  at  the  ground  pin  could  be  75  millivolts 
in  these  circumstances.  If  only  digital  logic  were  used, 
this  voltage  drop  would  be  minuscule,  hardly  worth  con- 
sidering. However,  the  hypothetical  real-world  situation 
being  considered  here  is  a  mixture  of  both  analog  and 
digital  circuits,  and  the  75  mV  can  have  a  significant 
impact  on  the  subsystem's  performance. 
In  this  example,  the  digital  circuits  are  TTL.  Since  TTL  is 
a  saturated  logic,  ground  currents  vary  widely,  and  vary- 
ing current  flowing  through  the  ground  often  produces 
noise  signals  which  modulate  the  ground  plane.  This 
noise,  created  by  digital  switching,  can  couple  into  the 
analog  portion  of  the  circuit  and  have  an  important  ef- 
fect on  performance,  even  at  low  digital  levels.  For  ex- 
ample, if  only  10%  of  the  75-millivolt  l-R  drop  cited  here 
couples  into  the  analog  signal,  that  would  represent  3 
LSBs. 

The  result?  The  circuit  intended  for  operation  as  a  12-bit 
system  is  now  reduced  to  a  system  of  10  to  11  bits, 
because  of  noise  masking  the  2.5-millivolt  level  of  the 
desired  12-bit  LSB.  The  recommended  solution?  Assign 
multiple  pins  for  ground  connections,  to  reduce  the  total 
contact  resistance.  As  Figure  1  shows,  those  pins  are 
also  used  to  separate  the  analog  and  digital  signals. 
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Figure  7.  "Flow  Chart"  Layout  for  Logical  Separation  of 
Functions. 


This  design  approach  may  seem  unnecessarily  rigorous 
and  time-consuming  but  can  prove  rewarding  when  the 
p-c  board  is  installed  in  its  final  system  location. 
Locate  the  timing  circuits  near  the  center  of  the  board 
(Figure  1 )  because  the  timing  is  at  the  heart  of  the  circuit, 
being  connected  to  all  of  the  major  circuit  components 
of  the  board.  A  central  location  helps  assure  minimum 
paths  for  the  digital  signals. 

Variations  of  this  theme  may  not  use  the  exact  same 
components  or  functions,  but  the  same  basic  techniques 
should  be  applied  in  any  design  containing  analog  and 
digital  circuits.  For  cards  with  all  connections  at  one  end, 
avoid  configurations  which  have  analog  circuits  near  the 
p-c  connector,  and  digital  signals  at  the  opposite  end  of 
the  card  — or  vice  versa;  either  situation  will  cause  ana- 
log and  digital  paths  to  pass  in  close  proximity  to  one 
another. 

SYSTEM  GROUNDING 

Although  local  ties  for  analog  and  digital  grounds  help 
the  performance  of  a  card,  they  can  cause  problems  for 
the  system  designer  using  ADCs  and  DACs.  In  systems, 
data  converters  should  be  considered  as  analog  (not 
digital)  components;  the  system  design  must  be  as- 
signed to  experienced  and  capable  analog  engineers, 
who  are  used  to  defending  millivolt  signals  against 
interference. 

Place  ADCs  and  DACs  (like  other  analog  devices)  near 
other  parts  of  the  analog  section,  because:  (1)  reflections 
make  it  hard  to  transmit  analog  signals  more  than  a 
short  distance  without  loss  of  bandwidth  and  amplitude; 
and  (2)  noise  generated  by  the  digital  section  can  couple 
into  the  analog  through  the  ground  plane  or  power  sup- 
plies, or  radiate  to  nearby  analog  components. 
Each  card  in  the  system  should  be  returned  directly  to 
the  power  supply  common,  using  heavy  wire.  Where  it 
is  mandatory  that  a  card's  analog  and  digital  grounds  be 
separated,  each  should  be  separately  returned  to  the 
power  supply;  don't  connect  the  two  grounds  and  return 
a  single  ground  line  to  the  power  supply. 

POWER  SUPPLIES 

Besides  ground  rules,  designers  of  high-speed  circuits 
must  also  consider  the  rules  about  power  supplies  to 
obtain  best  results. 

Every  power-supply  line  leading  into  a  high-speed  p-c 
card  or  data-acquisition  circuit  must  be  carefully 
bypassed  to  its  ground  return  to  prevent  noise  from 
entering  the  card.  Ceramic  capacitors,  ranging  in  value 
from  0.01  to  0.1  (J.F,  should  be  used  generously  in  the 
layout,  mounted  as  closely  as  possible  to  the  device  or 
circuit  being  bypassed;  and  at  least  one  good-quality 
tantalum  capacitor  of  3  to  20  iaF  should  be  assigned  to 
each  power-supply  voltage,  mounted  as  near  as  possi- 
ble to  the  incoming  power  pins  to  keep  potentially  high 
levels  of  low-frequency  ripple  off  the  card. 
To  some  extent,  the  p-c's  power-supply  connector  pins 
can  introduce  noise  problems.  If  their  contact  resistance 
is  sufficiently  high,  and  a  varying  current  is  flowing,  the 
varying  IR  drop  which  results  is  noise  and  can  be  cou- 
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pled  into  parts  of  the  card.  This  caution  applies  espe- 
cially to  +5-volt  supplies  used  to  power  TTL  systems, 
but  the  problem  can  be  alleviated  with  a  variation  of  the 
rule  about  multiple  pins  for  making  ground  connections. 
Parallel  the  l-R  drops  by  also  using  multiple  pins  for 
power  connections. 

Low-noise,  low-ripple  temperature-stable  linear  power 
supplies  are  the  preferred  choices  for  high-speed  cir- 
cuits. Switching  power  supplies  often  seem  to  meet 
those  criteria,  including  ripple  specifications.  But  ripple 
specs  are  generally  expressed  in  terms  of  rms— and  the 
spikes  generated  in  switchers  may  often  produce  hard- 
to-filter,  uncontrollable  noise  peaks  with  amplitudes  of 
several  hundred  millivolts.  Their  high-frequency  compo- 
nents may  be  extremely  difficult  to  keep  out  of  the 
ground  system. 

If  switchers  cannot  be  avoided  for  high-speed  designs, 
they  should  be  carefully  shielded  and  located  as  far 
away  from  the  "action"  as  possible,  and  their  outputs 
should  be  filtered  heavily. 

ABOUT  IC  DESIGNS 

There  is  often  a  difference  in  implementing  designs 


using  high-precision  IC  circuits  vis-a-vis  p-c  card  designs 
using  modules  or  hybrids.  Some  ICs  are  specifically  de- 
signed to  keep  analog  and  digital  grounds  separated 
within  the  device,  because  they  would  be  unable  to  per- 
form their  functions  properly  without  the  separation. 

Recognizing  this,  IC  manufacturers  are  generally  very 
careful  in  detailing  how  to  obtain  optimum  performance 
from  their  devices.  Those  details  of  the  application  notes 
frequently  instruct  the  user  to  connect  analog  and  digital 
grounds  for  the  device  together  externally;  when  they 
do,  the  connection  needs  to  be  made  as  closely  as  pos- 
sible to  the  device.  In  other,  much  rarer,  instances,  the 
characteristics  of  an  individual  device  — or  system  — may 
require  some  remote  connection  of  the  grounds. 

The  best  approach  for  getting  optimum  performance 
from  any  device  is  to  follow  diligently  the  recommenda- 
tions of  the  manufacturer.  If  the  recommendations  are 
missing  or  vague,  ask  for  them. 

Logical  signal  flow  generates  logical  treatment  of 
ground  paths  and  ground  connections-  a  logical  way  to 
prevent  potential  problems. 
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Understanding  Interference-Type  Noise 
How  to  Deal  with  Noise  without  Black  Magic 

and  Solutions  to  -  Noise  Problems 


There  Are  Rational  Explanations  for 

by  Alan  Rich 


If  the  circuit  doesn't  work,  add  a  decoupling  capacitor  anywhere — 
a  O.OlpT  ceramic  disc,  of  course;  they'll  fix  anything!  Or  when 
your  circuit  is  broadcasting  its  noise,  a  shield  will  cure  it;  just  wrap 
a  piece  of  metal  around  the  circuit,  connect  that  shield  to 
"ground,"  and  watch  the  noise  disappear! 

Unfortunately,  Nature  is  not  that  kind  to  us  in  real  life.  That 
0.0 1  u.F  disc  you  added  only  increased  the  noise;  and  the  shield  you 
added  was  totally  ineffective — or,  worse  yet,  the  noise  reappeared 
in  a  remote  part  of  the  circuit. 

This  article  is  the  first  of  a  two-part  series  to  help  you  understand 
and  deal  effectively  with  interference  noise  in  electronic  systems. 
We  will  consider  here  the  mechanism  that  causes  noise  to  be  picked 
up,  since  the  first  step  in  solving  any  noise  problem  is  to  identify 
the  source  of  the  noise  and  the  coupling  mechanism;  only  then  can 
an  effective  solution  be  implemented. 

The  second  article  will  suggest  specific  techniques  and  guidelines 
for  effective  shielding  against  electrostatic  and  magnetically 
coupled  noise.* 

WHAT  KIND  OF  NOISE  ARE  WE  TALKING  ABOUT? 

Any  electronic  system  contains  many  sources  of  noise.  Three  basic 
forms  in  which  it  appears  are:  transmitted  noise,  received  with  the 
original  signal  and  indistinguishable  from  it,  intrinsic  noise,  (such 
as  thermally  generated  Johnson  noise,  shot  noise,  and  popcorn 
noise)  originating  within  the  devices  that  constitute  a  circuit,  and 
interference  noise,  picked  up  from  outside  the  circuit.  This  last 
may  either  be  due  to  natural  disturbances  (e.g.,  lightning)  or  be 
coupled  in  from  other  electrical  apparatus  in  the  system  or  its  vi- 
cinity, for  example  computers,  switching  power  supplies,  SCR 
controlled  heaters,  radio  transmitters,  switch  contacts,  etc. 

This  article  will  consider  only  the  last  category,  man-made  noise, 
the  most  pervasive  form  of  system  noise  in  data-acquisition  or  test 
systems.  Although  it  is  most  annoying  in  low-level  circuits,  no  part 
of  the  system  is  immune  to  it.  But  it  is  the  only  form  of  noise  that 
can  be  influenced  by  choices  of  wiring  and  shielding. 

ASSUMPTIONS  AND  ANALYTICAL  TOOLS 

Although  Maxwell's  equations — with  all  the  mathematical  agony 
that  they  imply — are  necessary  for  a  complete  and  accurate  de- 
scription of  how  electrical  systems  behave,  conventional  circuit 

*Another  helpful  and  relevant  article  that  appeared  in  these  pages  was  "Analog 
Signal  Handling  for  High  Speed  and  Accuracy,"  by  A.  Paul  Brokaw,  Analog 
Dialogue  11-2,  1977,  pp.  10-16. 
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analysis  is  a  useful  tool  in  most  cases.  The  assumptions  that  permit 
circuit  analysis  to  be  valid  in  solving  these  problems  are; 

1 .  All  electric  fields  are  confined  to  the  interior  of  capacitors. 

2.  All  magnetic  fields  are  confined  to  the  immediate  vi- 
cinity of  inductors. 

3.  Dimensions  of  the  circuits  are  small  compared  to  the 
wavelengths  under  consideration. 

Using  these  assumptions,  we  can  model  noise-coupling  channels 
as  lumped  circuit  elements.  A  magnetic  field  coupling  two  conduc- 
tors is  modeled  as  a  mutual  inductance.  Stray  capacitance  can  be 
modeled  as  two  conductors  with  an  electric  field  between  them. 
Figure  1  shows  an  equivalent  circuit  of  a  situation  where  two  short 
wires  are  adjacent  to  one  another  over  a  system  ground. 

WIRE  1  WIRE  2  Cn 
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Figure  1.  Noise-equivalent  circuit  of  two  adjacent  wires  and 
a  ground  plane. 

Once  the  complete  noise  equivalent-circuit  is  obtained  for  a  sys- 
tem, the  problem  becomes  one  of  solving  network  equations  for 
a  desired  parameter.  All  standard  linear  circuit  analysis  techniques 
can  be  applied,  including  node  equations,  loop  equations,  matrix 
algebra,  state  variables,  superposition,  Laplace  transforms,  etc. 
When  circuits  exceed  5  or  6  nodes,  manual  calculation  becomes 
difficult;  at  this  point,  computer-aided  programs,  such  as  SPICE, 
and  other  CAD  techniques  become  necessary.  Experienced  de- 
signers can  make  appropriate  simplifying  assumptions;  but  their 
validity  should  always  remain  in  question  until  proven. 

The  lumped-element  approach  will  not  always  give  an  accurate 
numerical  answer,  but  it  will  show  clearly  how  noise  depends  on 
system  parameters.  Just  the  act  of  drawing  a  reasonably  faithful 
equivalent  circuit  may  offer  clues  to  methods  to  reduce  noise  levels. 
Once  network  equations  or  CAD  programs  are  written,  the  quan- 
titative effects  of  noise-suppression  techniques  can  be  studied. 

In  spite  of  all  the  modern  technical  advances,  such  as  microproces- 
sors and  switching  power  supplies,  wires  still  have  resistance  and 
inductance,  capacitance  still  exists  in  the  real  world,  and  such 
phenomena  must  be  reckoned  with . 

THE  BASIC  PRINCIPLE 

There  are  always  three  elements  involved  in  a  noise  problem:  a 
noise  source  (line  transients,  relays,  magnetic  fields,  etc.),  a 
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coupling  medium  (capacitance,  mutual  inductance,  wire),  and  a 
receiver,  a  circuit  that  is  susceptible  to  the  noise  (Figure  2). 
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Figure2.  Noise  pickup  always  involves  a  source,  a  coupling  y  jfr       V  It 

medium,  and  a  receiver. 


To  solve  the  problem,  one  or  more  of  these  three  elements  must 
be  removed,  reduced,  or  diverted.  Their  role  in  the  problem  must 
be  thoroughly  understood  before  the  problem  can  be  solved.  If  the 
solution  is  inappropriate,  it  may  only  make  the  noise  problem 
worse!  Different  noise  problems  require  different  solutions;  add- 
ing a  capacitor  or  a  shield  will  not  solve  every  such  problem. 

TYPES  OF  SYSTEM  NOISE 

Noise  in  any  electronic  system  can  originate  at  a  large  number  of 
sources,  including  computers,  fans,  power  supplies,  adjacent 
equipment,  test  devices;  noise  sources  can  even  include  improperly 
connected  shields  and  ground  wires  that  were  intended  to  combat 
noise.  Our  discussion  of  noise  sources  and  coupling  mechanisms 
will  include  the  following  topics: 

Common-impedance  noise 
Capacitively  coupled  noise 
Magnetically  coupled  noise 
Power-line  transients 
Miscellaneous  noise  sources 

Common-Impedance  Noise.  As  the  name  implies,  common-im- 
pedance noise  is  developed  by  an  impedance  that  is  common  to 
several  circuits.  Figure  3  shows  the  basic  configuration,  which 
might  occur  when  a  pulse  output  source  and  an  op  amp's  reference 
terminal  are  both  connected  to  a  "ground"  point  having  tangible 
impedance  to  the  power-supply  return  terminal.  The  noise  current 
(the  noisy  return  current  of  Circuit  1)  will  develop  across  im- 
pedance, Z,  a  voltage,  Vnolse,  which  will  appear  as  a  noise  signal 
to  Circuit  2. 
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Figure  3.  How  noise  is  developed  by  a  common  circuit 
impedance. 

Typically,  this  type  of  noise  has  a  repetition  rate  that  is  set  by  the 
rate  of  the  noise  source.  The  actual  waveshape  is  determined  by 
the  characteristics  of  the  impedance,  Z.  For  example,  if  Z  is  purely 
resistive,  the  noise  voltage  will  be  proportional  to  the  noise  current 
and  of  similar  shape  (Figure  4a).  If  Z  is  an  R-L-C,  the  noise  voltage 
will  ring  at  a  frequency,  1/(2ttVLC)  and  decay  exponentially  at  a 
ratesetbyLZR(b). 

If  noise  of  this  kind  is  found  in  a  circuit,  its  origin  may  be  readily 
deduced  from  the  repetition  rate  and  waveshape.  The  repetition 
rate  will  point  to  the  source  of  noise,  since  the  noise  and  its  source 
are  synchronized.  For  example,  a  noise  waveform  like  that  shown 
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Figure  4.  Noise  effects  in  a  common  impedance,  (a)  Resis- 
tance, (b)  An  R-L-C  circuit,  (c)  Switching-supply  noise 


in  (c),  at  a  25kHz  repetition  rate  and  a  25%  duty  cycle,  might  be 
typical  of  a  switching  power  supply  containing  a  regulating  loop 
using  pulse-width  modulation. 

The  waveform  will  help  identify  the  impedance  that  is  actually 
generating  the  undesired  noise.  If,  for  example,  the  waveform  of 
the  noise  is  the  simple  damped  sinusoid  shown  in  Figure  5,  the  fol- 
lowing features  allow  us  to  deduce  the  nature  of  Z: 

•A  constant  resistance,  R,  is  in  series  with  the  line.  The  voltage 
change,  V,,  is  the  product  of  R  and  a  current  step,  I, . 

•The  natural  frequency  of  the  oscillation,  f,,  is  determined  by  the 
series  L  and  shunt  C,  f  =  l/(2irVLC). 

•The  damping  time  constant,  t,  is  determined  by  L/R. 


 k  J\f,  o 


Figures  Waveshape  for  an  underdamped  R-L-C  circuit. 

Capacitively  Coupled  Noise.  Noise  is  also  produced  by  capacitive 
coupling  from  a  noise  source  to  another  circuit.  This  type  of  noise 
is  often  seen  when  signals  with  fast  rise-and-fall  times  or  high  fre- 
quency content  are  in  close  proximity  to  high-impedance  circuits. 
Stray  capacitance  couples  the  fast  edges  of  the  signal  into  adjacent 
circuits,  as  the  circuit  model  of  Figure  6  shows.  The  nature  of  the 
impedance,  Z,  determines  the  shape  of  the  response.  Typical 
capacitances  are  listed  in  Table  1 . 

_TL_  c, 


Figure  6.  Stray  capacitance  couples  noise  into  high-impe- 
dance circuits. 

Capacitive  pickup  can  occur  in  many  ways,  shapes,  and  sizes.  Here 
are  a  few  examples: 

•A  TTL  digital  signal  produces  fast  edges,  with  a  typical  rise  time 
of  10  nanoseconds  and  voltage  swings  of  5  volts.  If  Z  is  a  1- 
megohm  resistor,  even  O.lpF  will  produce  5-volt  spikes  with  decay 
time  constants  of  1 00  nanoseconds. 

•Crosstalk  may  result  between  two  adjacent  wires.  For  example, 
if  two  wires  in  a  10-foot  (3-meter)  length  of  cable  have  a  capaci- 
tance of  40  pF/ft,  the  total  capacitance  is  400  pF.  If  a  test  voltage 
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transients  couple  through  the  interwinding  capacitance  of  power- 
supply  transformers. 

Table  1.  Typical  capacitances.1 

Condition  Capacitance 

Human  standing  on  an  insulator  to  earth  700  pF 
Power  input  (ac)  to  output' (dc|  of  ±  15-V  dc  supply  1 00  pF 
Two-conductor  shielded  cable: 

Conductor  to  conductor  40pF/fr 

Conductor  to  shield  65pF/ft 

RG58  coaxial  cable,  center  conductor  to  shield  33  pF/ft 

Connector,  pin  to  pin  2pF 

Optical  isolator,  LED  to  photodetector  2  pF 

'/j-watt  resistor  (end  to  end)  1.5pF 

It  is  amazing  how  little  capacitance  can  cause  serious  problems. 
For  example,  consider  the  situation  where  high  noise-immunity 
CMOS  logic  is  used  in  an  industrial  circuit  where  2500-volt,  1.5 
MHz  noise  transients  (IEEE  Standard  472-1974)  are  present.  Sup- 
pose that  stray  capacitance  of  only  0.1  pF  exists  between  a  CMOS 
input  and  the  noise  source,  as  shown  in  Figure  7.  The  calculated 
noise  voltage,  Vc ,  will  be  2.4  volts,  steady  state,  with  an  initial  50- 
V  transient,  which  will  cause  improper  logic  operation  or  worse! 
;  ''■  "  c, 
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h-voltage  transients  from  test 


Figure  7.  Coupling 
generatorto  logic. 

Magnetically  Coupled  Noise.  Strong  magnetic  fields  are  found 
where  cables  carry  current,  where  ac  power  is  distributed,  and  near 
machinery,  power  transformers,  fans,  etc.  There  is  an  analogous 
relationship  between  circuits  coupled  magnetically  and  those 
coupled  capacitively,  as  shown  in  Figure  8  and  Table  2. 

-JH 


Figure  8.  Comparison  of  magnetic  and  capacitive  noise 
coupling. 

Table  2.  Characteristics  of  capacitive  and  magnetic  coupling. 

Capacitive  Coupling         Magnetic  Coupling 

Noise  Source         Voltage  change  (dV/dt)     Current  change  (dl/dt) 
Coupling  Medium  Mutual  capacitance         Mutual  inductance 
Coupled  Noise       Current  (frequently  Voltage 

converted  to  voltage  by  Z) 
This  analogy  helps  us  consider  some  differences  between  capaci- 
tively and  magnetically  coupled  noise: 

•When  the  noise  is  magnetically  coupled,  voltage  noise  (V„)  ap- 
pears in  series  with  the  receiver  circuit;  in  the  capacitive  situation, 
purees:  Excerpts  from  Ralph  Morrison,  Grounding  and  Shielding  Techniques 
in  Instrumentation,  Second  Edition  (New  York:  John  Wiley  &  Sons,  1977), 
p.30,  and  actual  n 


lowering  Z.  win  not  aramaucauy  uuucl  vwiagt. 

The  voltage,  V„,  induced  in  a  closed  loop  (single  turn)  by  a  magnet- 
ic field  is  given  by 
V„  =  2irfBAcosexlO-8  (1) 

volts,  where  f  is  the  frequency  of  the  sinusoidally  varying  flux  den- 
sity, B  is  the  rms  value  of  the  flux  density  (gauss),  A  is  the  area  of 
the  closed  loop  (cm2),  and  6  is  the  angle  of  B  to  area  A. 

For  example,  consider  the  circuit  of  Figure  9.  It  shows  the  calcula- 
tion for  two  one-foot  conductors,  separated  by  1  inch,  in  a  10- 
gauss  60-Hz  magnetic  field  (typical  of  fans,  power  wiring,  trans- 
formers). The  maximum  voltage  induced  in  the  wires  is  3  mV. 

V„  =  (2n  x60)(10)(12x  2.541(1  x  2.54)10  BFOR«  =  0° 

 t  Q 


Figure  9.  Example  demonstrating  magnitude  of  magnetic 
pickup. 

The  equation  tells  us  that  the  noise  voltage  can  be  reduced  by  re- 
ducing B,  A,  or  cos8.  The  B  term  can  be  reduced  by  increasing  the 
distance  from  the  source  of  the  field  or — if  the  field  is  caused  by 
currents  flowing  through  nearby  pairs  of  wires — twisting  those 
wires  to  reduce  the  net  field  to  zero  by  alternating  its  direction. 

The  loop  area,  A,  can  be  reduced  by  placing  the  conductors  closer 
together.  For  example,  if  the  conductors  in  the  example  were 
placed  0.1"  apart  (separated  only  by  insulation),  the  noise  voltage 
would  be  reduced  to  0.3mV.  If  they  can  be  twisted  together,  the 
area  is,  in  effect,  reduced  to  small  positive  and  negative  increments 
that  cancel,  practically  nullifying  the  magnetic  pickup. 

The  cos  6  term  can  be  reduced  by  proper  orientation  of  the  receiv- 
ing wires  to  the  field.  For  example,  if  the  conductors  were  perpen- 
dicular to  the  field,  the  pickup  would  be  minimized,  while  if  they 
were  run  together  in  the  same  cable  (8  =  0),  pickup  would  be 
maximized. 

The  rms  induced  voltage,  Vn,  in  a  conductor  in  parallel  with  a  sec- 
ond conductor,  carrying  a  current  I2  at  an  angular  frequency 
u)  =  2-rrf,  with  a  given  mutual  inductance,  M,  is 

Vn  =  o>MI2  (2) 

The  application  of  this  relationship  shown  in  Figure  10  illustrates 
why  only  one  end  of  a  shield  should  be  grounded.  A  100-ft  length 
of  shielded  cable  is  used  to  carry  a  high-level  low-impedance  signal 
/  v"  \ 


Figure  10.  Magnetic  pickup  from  current  flowing  through  a  \ 
cable  shield. 

(10V)  to  a  12-bit  data-acquisition  system  (1  LSB  =  2.4  mV).  The 
shield,  which  has  series  resistance  of  0.01  ohms  per  foot  and 
mutual  inductance  to  the  conductor  of  0.6u,H/ft,  has  been  ground- 
ed at  both  the  source  and  the  destination.  A  potential  of  1  volt  at 


MISCELLANEOUS  24-13 


60  Hz  exists  between  the  two  ground  points,  causing  a  current  of 
1  ampere  to  flow  in  the  1-ohm  total  resistance  of  the  shield.  By  (2), 
the  noise  voltage  induced  in  the  conductor  is 
V„  =  (2ir60Hz)(100  x  0.6  x  10"6H)(1  A) 
=  23mV, 

or  10  LSBs,  thereby  reducing  the  effective  resolution  of  the  system 
to  less  than  9  bits.  This  noise  voltage  is  a  direct  consequence  of  the 
large  current  flowing  in  the  shield  because  it  is  grounded  at  both 
ends.  And  the  1-volt  potential  assumed  between  the  grounds  was 
conservative!  In  heavy-industry  environments,  10  to  50  volts  be- 
tween earth  grounds  is  not  uncommon. 

Power-Line  Transients.  Another  type  of  system  noise  is  that  gen- 
erated by  high-voltage  transients  in  inductive  circuits,  such  as  re- 
lays, solenoids,  and  motors,  when  they  are  turned  on  and  off. 
When  devices  having  high  self-inductance  are  turned  off,  the  col- 
lapsing fields  can  generate  transients  of  the  order  of  kilovolts,  with 
frequencies  from  0.1  to  3  megahertz,  that  appear  on  the  power 
line. 

Besides  creating  noise  in  sensitive  circuitry,  via  capacitive  and  con- 
ductive coupling  and  radiated  energy,  these  transients  are  hazard- 
ous to  equipment  and  people.  Standards  exist  to  characterize  cer- 
tain transient  waveforms  for  the  purpose  of  protection;  however, 
besides  being  designed  to  withstand  them,  systems  should  also  be 
designed  to  deal  with  their  potential  interference  with  signals.  Fig- 
ure 1 1  shows  4  typical  waveforms  existing  in  industry  standards. 

Miscellaneous  Noise  Sources  Finally,  there  is  a  group  of  noise 
sources  that  can  be  considered  as  miscellaneous — or  just  "flakey." 

For  low-level  signals  at  high  impedance,  the  cable  itself  can  be- 
come a  noise  source.  A  charge  can  be  produced  on  the  dielectric 
material  within  the  cable;  if  the  dielectric  does  not  maintain  con- 
tact with  the  conductors,  this  charge  will  act  as  a  noise  source  with- 
in the  cable,  unless  the  cable  can  be  kept  rigid.  This  noise  is  highly 
dependent  on  any  motion  of  the  cable;  noise  levels  of  5  to  100  mV 
were  reported  by  Belden  Corporation.  Noise  of  similar  character 
(5  to  25  mV)  was  observed  in  the  laboratory  for  RG188  coaxial 
cable,  as  it  was  moved  and  flexed. 

Another  type  of  motion-related  noise  occurs  when  a  cable  is 
moved  through  a  magnetic  field.  Voltage  will  be  induced  in  the 
cable  as  the  cable  cuts  fixed  flux  lines  or  the  flux  density,  B, 
changes.  This  kind  of  noise  is  troublesome  in  a  high-vibration  envi- 
ronment, where  the  cables  can  be  in  rapid  motion.  If  the  cable  can 
be  kept  from  vibrating  relative  to  the  field,  this  noise  will  not 
occur. 

Finally,  if  instrumentation  is  operating  in  close  proximity  to  a 
radio  or  television  station,  signals  may  be  picked  up  from  the 
transmissions.  In  addition  to  AM,  FM,  and  television  transmitters, 
the  RFI  may  come  from  CB  radios,  amateur  radios,  walkie-talkies, 
paging  systems,  etc.  High-frequency  noise  should  be  considered  as 
a  possible  source  of  mysterious  drifts  in  dc  circuitry,  due  to  rectifi- 
cation of  picked-up  rf;  investigations  of  drift  should  always  be 
conducted  with  a  wideband  oscilloscope. 

SUMMARY 

We  have  described  here  the  different  types  of  interference  noise 
that  will  exist  in  any  electronic  system.  Table  3  lists  the  noise 
sources  discussed  above  and  some  effective  approaches  to  solving 
the  pickup  problem.  It  is  important  to  understand  the  complete 
noise  system  (source,  coupling  medium,  receiver,  and  relation- 
ships) before  noise-reduction  techniques  are  employed. 


Noise  reduction  is  not  a  mystical  job  for  wizards;  it  is  a  practical 
and  analytical  job  for  engineers.  Needless  to  say,  the  most  effective 
approach  is  prevention — applying  noise-reduction  analysis  and 
minimization  techniques  before  the  system  is  built. 

In  part  2  of  this  article,  we  will  describe  the  proper  application  of 
shielding  and  guarding  techniques  for  noise  reduction. 

Further  Reading: 

Ralph  Morrison,  op.  cit. 

Henry  W.  Ott,  Noise  Reduction  Techniques  in  Electronic  Systems 
(New  York:  John  Wiley  &  Sons,  1976). 
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Figure  11.  Examples  of  transients  existing  in  standards  for 
industrial  power-line  equipment,  (a)  IEEE  Standard  472- 
1974  "Guide  for  Surge  Withstand  Capability."  (b)  Impulse 
wave,  8  x  20,  1000V  peak,  5u.s/div.  (c)  Impulse  wave,  10  x 
1000,  1500V  peak,  0.2ms/div.  (d)  100kHz  ac  surge,  6kV  peak 
(500kHz  leading  edge);  successive  peaks  down  by  40%  (1  kvV 
div,2ns/div). 

Table  3.  Noise  sources  and  possible  solutions. 

Common- Impedance  Noise 

Proper  circuits  for  distributing  power 

Isolation  transformers,  optical  isolators,  analog  isolators 

Shielding  of  sensitive  circuits 

Capacitively  Coupled  Noise 
Reducing  noise  sources 
Properly  implemented  shields  (very  effective) 
Reducing  stray  capacitance 

Magnetically  Coupled  Noise 
Careful  routing  of  wiring 

High-permeability  (mumetal)  shields  (the  most  effective) 
Reducing  area  of  receiver  circuit  (twisted  pairs,  physical  wire 
placement) 

Reducing  the  noise  source  (twisted  pairs,  driven  shields  to  cancel 
field) 

Power-Line  Transients 
Coil  suppression  on  relays,  solenoids,  etc. 
Zero-crossing  turnoff  for  relays,  solenoids,  etc. 
Shielding 

Reducing  stray  capacitance 

Miscellaneous 
Rigid  wiring 
Low-noise  cable 
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Shielding  and  Guarding 

How  to  Exclude  Interference-Type  Noise 
What  to  Do  and  Why  to  Do  It  -  A  Rational  Approach 

by  Alan  Rich 


This  is  the  second  of  two  articles  dealing  with  interference  noise. 
In  the  last  issue  of  Analog  Dialogue  (Vol.  16,  No.  3,  pp.  16-19), 
we  discussed  the  nature  of  interference,  described  the  relationship 
between  sources,  coupling  channels,  and  receivers,  and  considered 
means  of  combatting  interference  in  systems  by  reducing  or  elimi- 
nating one  of  those  three  elements. 

One  of  the  means  of  reducing  noise  coupling  is  shielding.  Our  pur- 
pose in  this  article  is  to  describe  the  correct  uses  of  shielding  to  re- 
duce noise.  The  major  topics  we  will  discuss  include  noise  due  to 
capacitive  coupling,  noise  due  to  magnetic  coupling,  and  driven 
shields  and  guards.  A  set  of  guidelines  will  be  included,  with  do's 

3">1UClf  t  jlti'^li  '  1 1  ;jE1lDV  Isfljllc  JIU3H>n3CIJ  3m  t      ■  31V1W 

and  don  ts. 

From  the  outset,  it  should  be  noted  that  shielding  problems  are  al- 
ways rational  and  do  not  involve  the  occult;  but  they  are  not  al- 
ways straightforward.  Each  problem  must  be  analyzed  carefully. 
It  is  important  first  to  identify  the  noise  source,  the  receiver,  and 
the  coupling  medium.  Improper  shielding  and  grounding,  based 
on  faulty  identification  of  any  of  these  elements,  may  only  make 
matters  worse  or  create  a  new  problem. 

You  can  think  of  shielding  as  serving  two  purposes.  First,  shielding 
can  be  used  to  confine  noise  to  a  small  region;  this  will  prevent 
noise  from  extending  its  reach  and  getting  into  a  nearby  critical  cir- 
cuit. However,  the  problem  with  such  shields  is  that  noise  captured 
by  the  shield  can  still  cause  problems  if  the  return  path  the  noise 
takes  is  not  carefully  planned  and  implemented  by  understanding 
of  the  ground  system  and  making  the  connections  correctly. 

Second,  if  noise  is  present  in  a  system,  shields  can  be  placed  around 
critical  circuits  to  prevent  the  noise  from  getting  into  sensitive  por- 
tions of  the  circuits.  These  shields  can  consist  of  metal  boxes 
around  circuit  regions  or  cables  with  shields  around  the  center 
conductors.  Again,  where  and  how  the  shields  are  connected  is 
important. 

CAPACmVELY  COUPLED  NOISE 

If  the  noise  results  from  an  electric  field,  a  shield  works  because 
a  charge,  Q2,  resulting  from  an  external  potential,  V1;  cannot  exist 
on  the  interior  of  a  closed  conducting  surface  (Figure  1). 


Figure  1.  Charge  Q,  cannot  create  charge  inside  a  closed 


Coupling  by  mutual,  or  stray,  capacitance  can  be  modeled  by  the 
circuit  of  Figure  2.  Here,  V„  is  a  noise  source  (switching  transistor, 
TTL  gate,  etc.),  Cs  is  the  stray  capacitance,  Z  is  the  impedance  of 
a  receiver  (for  example,  a  bypass  resistor  connected  between  the 
input  of  a  high-gain  amplifier  and  ground),  and  Vno  is  the  output 
noise  developed  across  Z. 

!  c 
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Figure  2.  Equivalent  circuit  of  capacitive  coupling 
a  source  and  a  nearby  impedance. 

A  noise  current,  i„  =  V„/(Z  +  ZCs),  will  result,  producing  a  noise 
voltage,  Vno  =  V„/(l  +  Zc/Z).  For  example,  if  Cs  =  2.5  pF, 
Z  =  lOkft  (resistive),  and  V„  =  lOOmV  at  1.3  MHz,  the  output 
noise  will  be  20  mV  (0.2%  of  10V,  i.e.,  8  LSBs  of  12  bits). 

It  is  important  to  recognize  the  effect  that  very  small  amounts  of 
stray  capacitance  will  have  on  sensitive  circuits.  This  becomes  in- 
creasingly critical  as  systems  are  being  designed  to  combine  cir- 
cuits operating  at  lower  power  (implying  higher  impedance  levels), 
higher  speed  (implying  lower  nodal  stray  capacitance,  faster  edges, 
and  higher  frequencies),  and  higher  resolution  (much  less  output 
noise  permitted). 

When  a  shield  is  added,  the  change  to  the  situation  of  Figure  2  is 
exemplified  by  the  circuit  model  of  Figure  3.  With  the  assumption 
that  the  shield  has  zero  impedance,  the  noise  current  in  loop  A-B- 
D-A  will  be  V„/Zc,i,  but  the  noise  current  in  loop  D-B-C-D  will 
be  zero,  since  there  is  no  driving  source  in  that  loop.  And,  since 
no  current  flows,  there  will  be  no  voltage  developed  across  Z.  The 
sensitive  circuit  has  thus  been  shielded  from  the  noise  source,  Vn. 
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metal  shell. 

Reprinted  from  Analog  Dialogue  17-1  1983 


Figure  3.  Equivalent  circuit  of  the  situation  of  Figure  2,  with 
a  shield  interposed  between  the  source  and  the 
impedance. 

Guidelines  for  Applying  Electrostatic  Shields 

•An  electrostatic  shield,  to  be  effective,  should  be  connected  to 
the  reference  potential  of  any  circuitry  contained  within  the  shield. 
If  the  signal  is  earthed  or  grounded  (i.e.,  connected  to  a  metal  chas- 
sis or  frame,  and/or  to  earth),  the  shield  must  be  earthed  or  ground- 
ed. But  grounding  the  shield  is  useless  if  the  signal  is  not  grounded. 
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Figure  4.  Grounding  a  cable  shield. 

adjoining  segments,  and  ultimately  connected  (only)  to  the  signal- 
reference  node  (Figure  5). 


Figure  5.  Shields  must  be  interconnected  if  interrupted. 

•The  number  of  separate  shields  required  in  a  system  is  equal  to 
the  number  of  independent  signals  that  are  being  measured.  Each 
signal  should  have  its  own  shield,  with  no  connections  to  other 
shields  in  the  system,  unless  they  share  a  common  reference  poten- 
tial (signal  "ground").  If  there  is  more  than  one  signal  ground  (Fig- 
ure 6),  each  shield  should  be  connected  to  its  own  reference 
potential. 

m 


Figure  6.  Each  signal  should  have  its  own  shield  connected 
to  its  own  reference  potential. 

•Don't  connect  both  ends  of  the  shield  to  "ground".  The  poten- 
tial difference  between  the  two  "grounds"  will  cause  a  shield  cur- 
rent to  flow  (Figure  7).  The  shield  current  will  induce  a  noise  vol- 
tage into  the  center  conductor  via  magnetic  coupling.  An  example 
of  this  can  be  found  in  Part  1  of  this  series,  Analog  Dialogue  16-3, 
page  18,  Figure  10. 
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Figure  7.  Don't  connect  the  shield  to  ground  at  more  than 
one  point. 

•Don't  allow  shield  current  to  exist  (except  as  noted  later  in  this 
icle).  The  shield  current  will  induce  a  voltage  in  the  center 
inductor. 

•Don 't  allow  the  shield  to  be  at  a  voltage  with  respect  to  the  refer- 
ence potential  (except  in  the  case  of  a  guard  shield,  to  be  de- 
scribed). The  shield  voltage  will  couple  capacitively  to  the  center 
conductor  (or  conductors  in  a  multiple-conductor  shield).  With 


a.  Shield  at  potential  Vs. 

7T 


b.  Equivalent  circuit. 
Figure  8.  Don't  permit  the  shield  to  be  at  a  potential  with  re- 
spectto  the  signal. 

The  fraction  of  Vs  appearing  at  the  output  will  be 


V„  = 


(1) 


V77 


(2irfReqCsc)2 


where  Vt  is  the  open-circuit  signal  voltage,  R„  is  the  signal's  source 
impedance,  C,,-  is  the  cable's  shield-to-conductor  capacitance,  and 
Rcq  is  the  equivalent  parallel  resistance  of  RQ  and  RL.  For  example, 
if  Vs  =  lVatl.5MHz,Csc  =  200pF  (10  feet  of  cable),  R„  =  1000 
ohms,andRL  =  lOkfl,  the  output  noise  voltage  will  be  0. 86  volts. 
This  is  an  often-ignored  guideline;  serious  noise  problems  can  be 
created  by  inadvertently  applying  undesired  potentials  to  the 
shield. 

•Know  by  careful  study  how  the  noise  current  that  has  been  cap- 
tured by  the  shield  returns  to  "ground."  An  improperly  returned 
shield  can  cause  shield  voltages,  can  couple  into  other  circuits,  or 
couple  into  other  shields.  The  shield  return  should  be  as  short  as 
possible  to  minimize  inductance. 

Here  is  an  example  that  illustrates  the  problems  that  can  arise  in 
relation  to  these  last  two  guidelines:  Consider  the  improperly  con- 
figured shield  system  shown  in  Figure  9,  in  which  a  precision  volt- 
age source,  VI ,  and  a  digital  logic  gate  share  a  common  shield  con- 
nection. This  situation  can  occur  in  a  large  system  where  analog 
and  digital  signals  are  cabled  together. 


Figure  9.  A  situation  that  generates  transient  shield 
voltages. 

A  step  voltage  change  in  the  output  of  the  logic  circuit  couples 
capacitively  to  its  shield,  creating  a  current  in  the  common  2-foot 
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shield  return.  This,  in  turn,  develops  a  shield  voltage  common  to 
both  the  analog  and  digital  shields.  An  equivalent  circuit  is  shown 
in  Figure  10,  in  which  V(t)  is  a  5-volt  step  from  a  TTL  logic  gate, 
Ro2  is  the  13-ohm  output  impedance  of  the  logic  gate,  Cws  is  the 
470-pF  capacitance  from  the  shield  to  the  center  conductor  of  the 
shielded  cable,  and  R,  and  L,  are  the  0.1 -ohm  resistance  and  1- 
microhenry  inductance  of  the  2-foot  wire  connecting  the  shield  to 
the  system  ground. 
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Ro2  =  13  ohms 
R,  =  .l  ohm 

L.  =  1HH 
U        INPUT  VOLTAGE  =  5  volt  stop 


Figure  10.  Equivalent  circuitforgenerating  shield  voltage. 

The  shield  voltage,  Vs(t),  can  be  solved  for  by  conventional  circuit- 
analysis  techniques,  or  simulated  by  actually  building  and  care- 
fully making  measurements  on  a  circuit  with  the  given  parameters. 
For  the  purpose  of  demonstration,  the  calculated  response 
waveform,  illustrated  in  Figure  11,  with  a  S-volt  initial  spike, 
resonant  frequency  of  7.3  MHz,  and  damping  rime  constant  of 
0.15u.s,  is  sufficient  to  illustrate  the  nature  of  the  voltage  that  ap- 
pears on  the  shield  and  is  capacitively  coupled  to  the  analog  input. 
If  the  voltage  is  looked  at  with  a  wideband  oscilloscope,  it  will  look 
like  a  noise  "spike."  We  can  see  that  this  transient  will  couple  a 
fast  damped  waveform  of  significant  peak  amplitude  to  the  analog 
system  input. 
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Figure  11.  Computed  response  of  circuit  of  Figure  10. 

Even  in  a  purely  digital  system,  noise  glitches  can  be  caused  to  ap- 
pear in  apparently  remote  portions  of  a  system  having  the  kind  of 
situation  shown.  This  can  often  explain  some  otherwise  inexplica- 
ble system  bugs. 

In  quite  a  few  cases,  the  proper  choice  of  shield  connection  among 
the  many  possibilities  may  not  be  immediately  obvious,  and  the 
guidelines  may  not  provide  us  with  a  clear  choice.  There  is  no  alter- 
native but  to  analyze  the  various  possibilities  and  choose  the  ap- 
proach for  which  the  lowest  noise  may  be  calculated. 

For  example,  consider  the  case  illustrated  in  Figure  12,  in  which 
the  measurement  system  and  the  source  have  differing  ground  po- 
tentials. Should  we  connect  the  shield  to  A:  the  low  side  at  the 
measurement-system  input,  B:  ground  at  the  system  input,  C: 
ground  at  the  signal  source,  or  D :  the  low  side  at  the  source? 

A  is  a  poor  choice,  since  noise  current  is  allowed  to  flow  in  a  signal 
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Figure  12.  Possible  grounds  where  system  and  source  have 
differing  ground  potentials. 

conductor.  The  path  of  the  noise  current  due  to  VG1,  as  it  returns 
through  C4,  is  shown  in  Figure  13a. 

B  is  also  a  poor  choice,  since  the  two  noise  sources  in  series,  VG, 
and  VG2,  produce  a  component  across  the  two  signal  wires,  de- 
veloped by  the  source  impedance  in  parallel  with  C2,  in  series  with 
C,,  as  shown  in  Figure  13b. 

C  is  poor,  too,  since  VG1  produces  a  voltage  across  the  two  signal 
wires,  by  the  same  mechanism  as  (B),  as  Figure  13c  shows. 

D  is  the  best  choice,  under  the  given  assumptions,  as  can  be  seen 
in  Figure  13d.  It  also  tends  to  confirm  the  grounding  guideline  to 
connect  the  shield  at  the  signal's  reference  potential. 
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b.  Return  path  B. 


c.  Return  path  C. 
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d.  Return  path  D. 
Figure  13.  Equivalent  circuits. 

NOISE  RESULTING  FROM  A  MAGNETIC  FIELD 

Noise  in  the  form  of  a  magnetic  field  induces  voltage  in  a  conduc- 
tor or  circuit;  it  is  much  more  difficult  to  shield  against  than  elec- 
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trie  fields  because  it  can  penetrate  conducting  materials.  A  typical 
shield  placed  around  a  conductor  and  grounded  at  one  end  has  lit- 
tle if  any  effect  on  the  magnetically  induced  voltage  in  that 
conductor. 

As  a  magnetic  field,  B,  penetrates  a  shield,  its  amplitude  decreases 
exponentially  (Figure  14).  The  skin  depth,  8,  of  the  shield  material, 
is  defined  as  the  depth  of  penetration  required  for  the  field  to  be 
attenuated  to  37%  (exp  (-1))  of  its  value  in  free  air.  Table  l1  lists 
typical  values  of  8  for  several  materials  at  various  frequencies.  You 
can  see  that  any  of  the  materials  will  be  more  effective  as  a  shield 
at  high  frequency,  because  8  decreases  with  frequency,  and  that 
steel  provides  at  least  an  order  of  magnitude  more  effective  shield- 
ing at  any  frequency  than  copper  or  aluminum. 
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Figure  14.  Magnetic  field  in  a  shield  as  a  function  of  penetra- 
tion depth. 

Figure  15  compares  absorption  loss  as  a  function  of  frequency  for 
two  thicknesses  of  copper  and  steel.  '/«-inch  steel  becomes  quite  ef- 
fective for  frequencies  above  200  Hz,  and  even  a  20-mil  (0.5  mm) 
thickness  of  copper  is  effective  at  frequencies  above  1  MHz.  How- 
ever, all  show  a  glaring  weakness  at  lower  frequencies,  including 
50-60-Hz  line  frequencies — the  principal  source  of  magnetically 
coupled  noise  at  low  frequency. 


Figure  1 5.  Absorption  loss  vs.  frequency  fortwo  thicknesses 
of  copper  and  steel. 

For  improved  low-frequency  magnetic  shielding,  a  shield  consist- 
ing of  a  high-permeability  magnetic  material  (e.g.,  Mumetal) 

Table  1.  Skin  depth,  8,  vs.  frequency 

8  for  Copper    8  for  Aluminum        8  for  Steel 


Frequency 

(in.) 

(mm) 

(in.) 

(mm) 

(in.) 

(mm) 

60Hz 

0.335 

8.5 

0.429 

10.9 

0.034 

0.86 

100Hz 

0.260 

6.6 

0.333 

8.5 

0.026 

0.66 

1kHz 

0.082 

2.1 

0.105 

2.7 

0.008 

0.2 

10kHz 

0.026 

0.66 

0.033 

0.84 

0.003 

0.08 

100kHz 

0.008 

0.2 

0.011 

0.3 

0.0008 

0.02 

1MHz 

0.003 

0.08 

0.003 

0.08 

0.0003 

0.008 

'Table  1  and  Figures  15  and  16  are  from  On,  H.W.,  Noise  Reduction  Tech- 
niques in  Electronic  Systems  (New  York:  John  Wiley  8c  Sons,  ©  1976). 
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Figure  16.  Shielding  attenuation  of  Mumetal  and  other 
materials  at  several  frequencies. 

should  be  considered.  Figure  16  compares  a  30-mil  thickness  of 
Mumetal  with  various  materials  at  several  frequencies.  It  shows 
that,  below  1  kHz,  Mumetal  is  more  effective  than  any  of  the  other 
materials,  while  at  100kHz  it  is  the  least  effective.  However, 
Mumetal  is  not  especially  easy  to  apply,  and  if  it  is  saturated  by 
an  excessively  strong  field,  it  will  no  longer  provide  an  advantage. 

As  you  can  see,  it  is  very  difficult  to  shield  against  magnetic  fields, 
i.e.,  to  modify  the  coupling  medium  by  shielding.  Therefore,  the 
most  effective  approaches  at  low  frequency  are  to  minimize  the 
strength  of  the  interfering  magnetic  field,  minimize  the  receiver 
loop  area,  and  minimize  coupling  by  optimizing  wiring  geomet- 
ries. Here  are  some  guidelines: 

•Locate  the  receiving  circuits  as  far  as  possible  from  the  source 
of  the  magnetic  field. 

•Avoid  running  wires  parallel  to  the  magnetic  field;  instead,  cross 
the  magnetic  field  at  right  angles. 

•Shield  the  magnetic  field  with  an  appropriate  material  for  the 
frequency  and  field  strength. 

•Use  a  twisted  pair  of  wires  for  conductors  carrying  the  high-level 
current  that  is  the  source  of  the  magnetic  field.  If  the  currents  in 
the  two  wires  are  equal  and  opposite,  the  net  field  in  any  direction 


b.  Incorrect  connection  forming  ground  loop. 
Figure  17.  Connections  to  a  twisted  pair. 
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over  each  cycle  of  twist  will  be  zero  (Figure  17a).  For  this  arrange- 
ment to  work,  none  of  the  current  can  be  shared  with  another  con- 
ductor, for  example,  a  ground  plane.  Figure  17b  shows  what  can 
happen  if  a  ground  loop  is  formed;  if  part  of  the  current  flows 
through  the  ground  plane  (depending  on  the  ratio  of  conductor  re- 
sistance to  ground  resistance),  it  will  form  a  loop  with  the  twisted 
pair,  generating  a  field  determined  by  i3  (  =  i,  -  i2). 

The  ground  connection  between  A  and  B  need  not  be  as  simple  as 
a  short  circuit  to  cause  trouble.  Any  stray  unbalanced  capacitance 
or  resistance  from  R!oad  circuits  to  the  ground  plane  will  also 
unbalance  the  currents  and  produce  a  net  current  through  the 
wires  and  the  ground  plane,  producing  a  ground  loop  and  a  related 
magnetic  field.  For  this  reason,  it  is  also  good  practice  to  run  the 
twisted  pair  close  to  the  ground  plane  to  tend  to  balance  the 
capacitances  from  each  side  to  ground,  as  well  as  to  minimize  loop 
area. 

•Use  a  shielded  cable  with  the  high-level  source  circuit's  return 
current  carried  in  the  shield  (Figure  18).  If  the  shield  current,  I2  is 
equal  and  opposite  to  that  in  the  center  conductor,  the  center-con- 
ductor field  and  the  shield  field  will  cancel,  producing  a  zero  net 
field.  In  this  case,  which  seems  to  violate  the  "no  shield  current" 
rule  for  receiver  circuits,  the  concentric  cable  is  not  used  to  shield 
the  center  lead;  instead,  the  geometry  produces  cancellation. 


Figure  18.  Use  of  shield  for  return  current  to  noisy  source. 

This  scheme  can  be  usefully  employed  in  an  ATE  system  where  ac- 
curate measurements  must  be  performed  on  devices  with  high 
power-supply  currents  that  may  be  noisy.  For  example,  Figure  19 
shows  the  application  of  this  technique  to  the  connections  for  the 
high-current  logic  supply  for  an  a/d  converter  under  test — at  the 
end  of  a  test  cable. 


Figure  19.  Application  of  circuit  of  Figure  18  in  a  test  system. 

•Since  magnetically  induced  noise  depends  on  the  area  of  the  re- 
ceiver loop,  the  induced  voltage  due  to  magnetic  coupling  can  be 
reduced  by  reducing  the  loop's  area.  What  is  the  receiver  loop?  In 
the  example  shown  in  Figure  20,  the  signal  source  and  its  load  are 
connected  by  a  pair  of  conductors  of  length  L  and  separation  D. 
The  circuit  (assuming  it  has  a  rectangular  configuration)  forms  a 
loop  with  area  D-L. 


Figure  20.  Area  of  a  loop  that  receives  magnetically  coupled 
noise. 


The  voltage  induced  in  series  with  the  loop  is  proportional  to  the 
area  and  the  cosine  of  its  angle  to  the  field.  Thus,  to  minimize 
noise,  the  loop  should  be  oriented  at  right  angles  to  the  field,  and 
its  area  should  be  minimized. 

The  area  can  be  reduced  by  decreasing  the  length  of  and/or  de- 
creasing the  distance  between  the  conductors.  This  is  easily  accom- 
plished with  a  twisted  pair,  or  at  least  a  tightly  cabled  pair,  of  con- 
ductors. It  is  good  practice  to  pair  conductors  so  that  the  circuit 
wire  and  its  return  path  will  always  be  together.  To  do  this,  the 
designer  must  be  certain  of  the  actual  path  that  the  return  current 
takes  in  getting  back  to  the  signal  source.  Quite  often,  the  current 
returns  by  a  path  not  intended  in  the  original  design  layout. 

If  wires  are  moved  (for  example,  by  a  technician  troubleshooting 
some  other  problem),  the  loop  area  and  orientation  to  the  field 
may  change,  so  that  yesterday's  acceptable  noise  level  may  be 
transformed  to  tomorrow's  disastrous  noise  level.  Which  may  lead 
to  a  service  call  .  .  .  and  another  repetition  of  the  cycle.  The  bot- 
tom line:  Know  the  loop  area  and  orientation,  do  what  must  be 
done  to  minimize  noise — and  permanently  secure  the  wiring1. 

DRIVEN  SHIELDS  AND  GUARDING 

We  have  discussed  the  role  of  a  current-driven  shield  carrying  an 
equal  and  opposite  current  to  reduce  generated  noise  by  reducing 
the  magnetic  field  around  a  conductor. 

Guarding  is  similar,  in  that  it  involves  driving  a  shield,  at  low  impe- 
dance, with  a  potential  essentially  equal  to  the  common-mode  vol- 
tage on  the  signal  wire  contained  within  the  shield.  Guarding  has 
many  useful  purposes:  It  reduces  common-mode  capacitance,  im- 
proves common-mode  rejection,  and  eliminates  leakage  currents 
in  high-impedance  measurement  circuits. 

Figure  21  shows  an  example  of  an  op  amp  with  negligible  bias  cur- 
rent connected  as  a  high-impedance  non-inverting  amplifier  with 
gain.  The  purpose  of  the  cable  is  to  shield  the  high  input-impe- 
dance signal  conductor  from  capacitively  coupled  noise  and  to 
minimize  leakage  currents.  The  signal  comes  from  a  10-megohm 
source,  and  the  cable  is  assumed  to  have  1000  megohms  of  leakage 
resistance  (which  may  change  as  a  function  of  temperature, 
humidity,  etc.)  from  conductor  to  shield.  If  connected  as  shown, 
the  equivalent  input  circuit  is  an  attenuator  which  loses  1  %  of  the 


Figure  21.  Op  amp  connected  as  high-impedance  non- 
inverting  amplifier  with  gain,  with  shielded  input  lead. 
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signal  at  the  time  it  is  measured,  and  an  unknown  fraction  at  other 
times.  Also,  the  cable  capacitance  produces  a  substantial  lag  time 
constant,  RsCc. 

Figure  22  has  the  same  players,  but  the  shield  is  connected  to  the 
tap  of  the  gain  divider  (usually  at  low  impedance).  Being  connected 
to  the  inverting  input  of  the  op  amp,  it  should  be  at  the  same  poten- 
tial as  the  amplifier's  non-inverting  input.  Since  there  is  no  voltage 
across  the  cable's  leakage  resistance,  there  is  no  current  through 
it  and  its  resistance  value  doesn't  matter;  V,  must  therefore  be 
equal  to  Vs,  since  bias  current  was  assumed  negligible. 


:±  v.  1  


•  toV„ 


Figure  22.  Same  as  Figure  21,  but  cable  shield  connected  as 
a  guard. 

Also,  there  is  no  voltage  across  the  cable  capacitance,  hence  no 
charging  or  discharging  of  the  cable;  thus  the  lag  time  constant  de- 
pends mainly  on  circuit  strays  and  the  amplifier's  input  capaci- 
tance. For  stability,  capacitance  should  be  connected  between  the 
output  and  the  negative  input,  such  that  QRF  =  CsRj,  where  Cs 
is  sum  of  the  stray  capacitance  between  shield  and  ground  and  the 
input  capacitance. 

There  must  be  no  noise  voltage  applied  to  the  guard.  In  noisy  sys- 
tems, as  Figure  22  shows,  capacitively  coupled  noise  will  be  dif- 
ferentiated, emphasizing  the  higher-frequency  components.  This 
can  be  avoided  (Figure  23)  by  either  using  a  buffer  follower  with 
fast  response  and  low  output  impedance  to  drive  the  guard  (a) 
or  a  second  shield,  around  the  guard,  grounded  to  the  signal 
common  (b). 


(b)  Shielded  guard. 
Figure  23.  Avoiding  noise  pickup  on  the  guard. 

In  high-impedance  current-input  inverting  configurations,  where 
a  length  of  shielded  wire  is  used  to  guard  the  lead  from  the  current 
source  to  the  amplifier's  inverting  input,  the  guard  should  either 
be  driven  by  a  buffer  at  the  same  potential  as  the  non-inverting 
input  (and  connected  nowhere  else),  or  be  tied  directly  to  the  non- 


inverting  input,  with  a  second  outer  shield  connected  to  the  signal's 
reference  point. 

SUMMARY 

Table  2  summarizes  the  important  points  made  in  this  article.  All 
are  important  to  maintaining  a  high-integrity  shield  system.  How- 
ever, we  cannot  emphasize  too  strongly  the  two  subjects  that  are 
most-often  ignored:  appearance  of  noise  voltage  on  signal  shields 
and  proper  disposition  of  shield  noise  currents.  Noise  voltage  must 
not  exist  on  the  shield;  shield-to-conductor  capacitance  will  couple 
the  noise  directly  to  the  center  conductor.  If  shield  currents  are  not 
returned  properly,  they  can  show  up  in  a  remote  part  of  the  system 
and  perhaps  cause  trouble  in  a  location  totally  unrelated  to  the 
shielding  problem  that  was  "solved." 


Table  2.  Applicability  of  shielding  < 


Consideration 


Universal    Electric  Magnetic 


X 


Know  the  noise  source,  coupling  medium, 
and  receiver.  X 
Different  shielding  techniques  are  required 
for  different  noise  sources,  coupling  channels, 
and  receivers.  X 
In  most  situations,  conventional  circuit 
analysis  using  lumped  elements  can  be  used.  X 
Connect  the  shield  at  the  signal-source  end 
only.  X 
Carry  shields  through  connectors.  X 
Individual  shields  should  not  be  tied  together.  X 
Do  not  ground  both  ends  of  a  shield.  X 
Do  not  allow  shield  current  to  flow, 
except  for  driven  shields  -  to  cancel 

magnetic  fields  X 
Do  not  allow  voltage  on  a  shield,  except 

for  guarding.  X 
Know  exactly  where  noise  current 

from  the  shield  will  flow.  X 
Use  short  connections  to  return  noise 

current  from  the  shield.  X 
Electrostatic  shields  have  little  effect  in  reduc- 
ing noise  resulting  from  magnetic  fields. 
Reduce  magnetic  fields  by  physical  separa- 
tion proper  orientation,  twisted  pairs,  and/or 
driven  shields. 

Know  the  receiver  loop  area  and  orientation 
to  the  field.  Keep  field  at  right  angles  and 
reduce  the  loop  area  by  using  paired 
conductors,  preferably  twisted  pairs,  and 
minimize  wire  lengths. 

Use  guarding  in  high- impedance  circuits  X  X 

In  high-impedance  circuits,  be  extremely 

careful  of  shield  noise  X  X 
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Avoiding  Passive-Component  Pitfalls 

The  Wrong  Passive  Component  Can  Derail  Even  the  Best  Op  Amp  or  Data  Converter 
Here  Are  Some  Basic  Traps  to  Watch  for 

by  Doug  Grant  and  Scott  Wurcer 


You've  just  spent  $25  or  more  for  a  precision  op  amp  or  data  con- 
verter, only  to  find  that,  when  plugged  into  your  board,  the  device 
doesn't  meet  spec.  Perhaps  the  circuit  suffers  from  drift,  poor  fre- 
quency response,  oscillations — or  simply  doesn't  achieve  the  accu- 
racy you  expect.  Well,  before  you  blame  the  device  itself,  you 
should  examine  your  passive  components — including  capacitors, 
resistors,  potentiometers,  and  yes,  even  the  printed  circuit  boards 
themselves.  Subtle  effects  of  tolerance,  temperature,  parasitics, 
aging,  and  user  assembly  procedures  can  unwittingly  sink  your  cir- 
cuit. And  these  effects  all  too  often  go  unspecified  or  under- 
specified  by  manufacturers. 

In  general,  if  you  use  data  converters  having  12  bits  or  more  of 
resolution,  or  op  amps  that  cost  more  than  $5,  you  should  pay  par- 
ticularly close  attention  to  passive-component  selection.  To  put 
the  problem  in  perspective,  consider  the  case  of  a  12-bit  digital-to- 
analog  converter  (DAC).  One  half  LSB  (least-significant  bit)  cor- 
responds to  0.012%  of  full  scale,  or  only  122  parts  per  million 
(ppm) !  The  host  of  passive-component  phenomena  can  quickly  ac- 
cumulate errors  far  exceeding  this  level. 

Buying  the  most-expensive  passive  components  won't  necessarily 
solve  your  problems  either.  Often,  the  correct  25-cent  capacitor 
will  yield  a  better-performing,  more  cost-effective  design  than  the 
premium-grade  $8  part.  Although  not  necessarily  easy,  under- 
standing and  analyzing  passive-component  effects  may  prove 
quite  rewarding,  once  you  understand  a  few  basics. 

CAPACITORS 

Most  designers  are  generally  familiar  with  the  range  of  capacitors 
available.  But  the  mechanisms  by  which  both  static  and  dynamic 
errors  can  occur  in  precision  circuit  designs  are  easy  to  forget  be- 
cause of  the  tremendous  variety  of  capacitor  types,  e.g.:  glass, 
aluminum  foil,  solid  tantalum  and  tantalum  foil,  silver  mica, 
ceramic,  Teflon,  and  the  film  capacitors,  including  polyester, 
polycarbonate,  polystyrene,  and  polypropylene  types. 

Figure  1  is  a  workable  model  of  a  non-ideal  capacitor.  The  nomi- 
nal capacitance,  C,  is  shunted  by  a  resistance  Rp,  representing  insu- 
lation resistance  or  leakage.  A  second  resistance,  R5 — equivalent 
series  resistance,  or  ESR — appears  in  series  with  the  capacitor  and 
represents  the  resistance  of  the  leads  and  capacitor  plates.*  Induc- 
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Figure  1.  Capacitorequivalentcircuit. 

"Capacitor  phenomena  aren't  that  easy  to  separate  out.  This  matching  of 
phenomena  and  models  is  for  convenience  in  explanation. 
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tance,  L — the  equivalent  series  inductance,  or  ESL,  models  the  in- 
ductance of  the  leads  and  plates.  Finally,  resistance  Rda  and  capaci- 
tance Cda  together  form  a  simplified  model  of  a  phenomenon 
non  known  as  dielectric  absorption.  Dielectric  absorption  can  ruin 
the  dynamic  performance  of  both  fast  and  slow  circuits. 
Dielectric  Absorption 

We  begin  with  dielectric  absorption,  also  known  as  "soakage"  and 
sometimes  as  "dielectric  hysteresis" — perhaps  the  least  under- 
stood and  potentially  most  damaging  capacitive  effect.  Upon  dis- 
charge, most  capacitors  are  reluctant  to  give  up  all  of  their  former 
charge.  Figure  2  illustrates  the  effect.  After  being  charged  to  V 
volts  at  time  t0,  the  capacitor  is  shorted  by  the  switch  at  time  ti. 
At  time  t2,  the  capacitor  is  open-circuited;  a  residual  voltage  slowly 
builds  up  across  its  terminals  and  reaches  a  nearly  constant  value. 
This  voltage  is  due  to  "dielectric  absorption." 
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Figure  2.  Residual  voltage  characterizes  capacitor  dielectric 
absorption. 

Standards  techniques  for  specifying  or  measuring  dielectric  ab- 
sorption are  few  and  far  between.  Measured  results  are  usually  ex- 
pressed as  the  percentage  of  the  original  charging  voltage  that 
reappears  across  the  capacitor.  Typically,  the  capacitor  is  charged 
for  more  than  1  minute,  then  shorted  for  an  established  time  be- 
tween 1  and  10  seconds.  The  capacitor  is  then  allowed  to  recover 
for  approximately  1  minute,  and  the  residual  voltage  is  measured 
(see  reference  10). 

In  practice,  dielectric  absorption  makes  itself  known  in  a  variety 
of  ways.  Perhaps  an  integrator  refuses  to  reset  to  zero,  a  voltage-to- 
frequency  converter  exhibits  unexpected  nonlinearity,  or  a  sam- 
ple-and-hold  exhibits  varying  errors.  This  last  manifestation  can 
be  particularly  damaging  in  a  data-acquisition  system,  where  adja- 
cent channels  may  be  at  voltages  which  differ  by  nearly  full  scale. 
Figure  3  illustrates  the  case  in  a  simple  sample-hold. 
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Figure  3.  Dielectric  absorption  induces  errors  in  sample- 
and-hold  application. 
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The  dielectric  absorption  is  a  characteristic  of  the  dielectric  mate- 
rial itself,  although  it  can  be  affected  by  inferior  manufacturing 
processes  or  electrode  materials.  As  a  percentage  of  the  charging 
voltage,  dielectric  absorption  specifications  range  from  a  low  of 
0.02%  for  Teflon,  polystyrene,  and  polypropylene  capacitors  to  a 
high  of  10%  or  more  for  some  aluminum  electrolytics.  For  some 
time-frames,  the  D.  A.  of  polystyrene  can  be  as  low  as  0.002%. 

Common  ceramic  and  polycarbonate  types  display  typical  dielec- 
tric absorptions  of  0.2%;  this  corresponds  to  one-half  of  an  LSB 
at  only  8  bits!  Silver  mica,  glass,  and  tantalum  capacitors  typically 
exhibit  even  larger  dielectric  absorptions,  ranging  from  1.0%  to 
5.0%,  with  those  of  polyester  devices  falling  in  the  vicinity  of 
0.5%.  As  a  rule,  if  your  capacitor's  spec  sheet  does  not  discuss 
dielectric  absorption  in  your  time  frame  and  voltage  range,  exer- 
cise caution. 

Dielectric  absorption  can  produce  long  tails  in  the  transient  re- 
sponse of  fast-settling  circuits,  such  as  those  found  in  high-pass  ac- 
tive filters  or  ac  amplifiers.  In  some  devices  used  for  such  applica- 
tions, Figure  l's  Rda-Cda  model  of  dielectric  absorption  can  have 
a  time  constant  of  milliseconds.*  In  fast-charge,  fast-discharge  ap- 
plications, the  dielectric  absorption  resembles  "analog  memory"; 
the  capacitor  tries  to  remember  its  previous  voltage. 

In  some  designs,  you  can  compensate  for  the  effects  of  dielectric 
absorption  if  it  is  simple  and  easily  characterized,  and  you  are 
willing  to  do  custom-tweaking.  In  an  integrator,  for  instance,  the 
output  signal  can  be  fed  back  through  a  suitable  compensation  net- 
work, tailored  to  cancel  the  circuit  equivalent  of  the  dielectric  ab- 
sorption by  placing  a  negative  impedance  effectively  in  parallel. 
Such  compensation  has  been  shown  to  improve  sample-  and-hold 
circuit  performance  by  factors  of  10  or  more  (Reference?). 

Parasitics  and  Dissipation  Factor 

In  Figure  1,  a  capacitor's  leakage  resistance,  Rp,  the  effective  series 
resistance,  R,,  and  effective  series  inductance,  L,  act  as  parasitic 
elements  which  can  degrade  an  external  circuit's  performance.  The 
effects  of  these  elements  are  often  lumped  together  and  defined  as 
a  dissipation  factor,  or  DF. 

A  capacitor's  leakage  is  the  small  current  that  flows  through  the 
dielectric  when  a  voltage  is  applied.  Although  modeled  as  a  simple 
insulation  resistance  (Rp)  in  parallel  with  the  capacitor,  the  leakage 
actually  is  nonlinear  with  voltage.  Manufacturers  often  specify 
leakage  as  a  megohm-microfarad  product,  which  describes  the 
dielectric's  self-discharge  time  constant,  in  seconds.  It  ranges  from 
a  low  of  Is  or  less  for  high-leakage  capacitors,  such  as  aluminum 
and  tantalum  devices,  to  the  100's  of  seconds  for  ceramic 
capacitors.  Glass  devices  exhibit  self-discharge  time-constants  of 
1,000  or  more;  but  the  best  leakage  performance  is  shown  by  Tef- 
lon and  the  film  devices  (polystyrene,  polypropylene),  with  time 
constants  exceeding  1 ,000,000  megohm-microfarads.  For  such  a 
device,  leakage  paths — created  by  surface  contamination  of  the  de- 
vice's case  or  in  the  associated  wiring  or  physical  assembly — can 
overshadow  the  dielectric's  leakage. 

Effective  series  inductance,  ESL  (Figure  1)  arises  from  the  induc- 
tance of  the  capacitor  leads  and  plates,  which,  particularly  at  the 
higher  frequencies,  can  turn  a  capacitor's  normally  capacitive 
reactance  into  an  inductive  reactance.  Its  magnitude  depends  on 

•Much  longer  time  constants  are  also  quite  usual  In  fact,  some  devices  can  be 
modeled  by  several  paralleled  fW-Cj,  circuits,  with  a  wide  range  of  time 
constants. 


construction  details  within  the  capacitor.  Tubular  wrapped-foil 
devices  display  significantly  more  lead  inductance  than  molded  ra- 
dial-lead configurations.  Multilayer  ceramic  and  film-type  devices 
typically  exhibit  the  lowest  series  impedances,  while  tantalum  and 
aluminum  electrolytics  typically  exhibit  the  highest.  Con- 
sequently, electrolytic  types  usually  prove  insufficient  for  high- 
speed local  bypassing  applications. 

Manufacturers  of  capacitors  often  specify  effective  series  induc- 
tance by  means  of  impedance-versus-frequency  plots.  These  show 
graphically,  and  not  surprisingly,  that  the  devices  display  predo- 
minantly capacitive  reactance  at  low  frequencies,  with  rising  im- 
pedance at  higher  frequencies  because  of  their  series  inductance. 

Effective  series  resistance,  ESR  (resistor  Rs  of  Figure  1),  is  made 
up  of  the  resistance  of  the  leads  and  plates.  As  noted,  many  man- 
ufacturers lump  the  effects  of  ESR,  ESL,  and  leakage  into  a  single 
parameter  called  dissipation  factor,  or  DF.  Dissipation  factor 
measures  the  basic  inefficiency  of  the  capacitor.  Manufacturers  de- 
fine it  as  the  ratio  of  the  energy  lost  to  energy  stored  per  cycle  by 
the  capacitor.  The  ratio  of  equivalent  series  resistance  to  total 
capacitive  reactance — at  a  specified  frequency — approximates  the 
dissipation  factor,  which  turns  out  to  be  equivalent  to  the  recip- 
rocal of  the  figure  of  merit,  Q. 

Dissipation  factor  often  varies  as  a  function  of  both  temperature 
and  frequency.  Capacitors  with  mica  and  glass  dielectrics  gener- 
ally have  DF  values  from  0.03%  to  1.0%.  For  ceramic  devices,  DF 
ranges  from  a  low  of  0.1%  to  as  high  as  2.5%  at  room  tempera- 
ture. And  electrolytics  usually  exceed  even  this  level.  The  film 
capacitors  usually  are  the  best,  with  DF's  of  less  than  0. 1  % . 

Tolerance,  Temperature,  and  Other  Effects 

In  general,  precision  capacitors  are  expensive  and — even  then — 
not  necessarily  easy  to  buy.  In  fact,  choice  of  capacitance  is  limited 
by  the  the  range  of  available  values  and  tolerances.  Tolerances  of 
±  1  %  for  some  ceramics  and  most  film-type  devices  are  common, 
but  with  possibly  unacceptable  delivery  times.  Most  film 
capacitors  can  be  made  available  with  tolerances  of  less  than 
±  1  %,  but  on  special  order  only. 

Most  capacitors  are  sensitive  to  temperature  variations.  Dissipa- 
tion factor,  dielectric  absorption,  and  capacitance  itself  are  all 
functions  of  temperature.  For  some  capacitors,  these  parameters 
vary  approximately  linearly  with  temperature;  in  others  they  vary 
quite  nonlinearly.  Although  not  usually  important  for  sample- 
and-hold  applications,  an  excessively  large  temperature  coefficient 
(ppm/°C)  can  prove  harmful  to  the  performance  of  precision  inte- 
grators, voltage-to-frequency  converters,  and  oscillators.  NPO 
ceramic  capacitors,  with  temperature-drift  as  low  as  30  ppm/°C, 
usually  do  the  best.  On  the  other  hand,  aluminum  electrolytics' 
temperature  coefficients  can  exceed  1 0,000  ppm/°C. 

A  capacitor's  maximum  working  temperature  should  also  be  con- 
sidered. Polystyrene  capacitors,  for  instance,  melt  near  85°C,  com- 
pared to  Teflon's  ability  to  survive  temperatures  up  to  200°C. 

Sensitivity  of  capacitance  and  dielectric  absorption  to  applied  volt- 
age can  also  hurt  capacitor  performance  in  a  circuit  application. 
Although  capacitor  manufacturers  do  not  always  clearly  specify 
voltage  coefficients,  the  user  should  always  consider  the  possible 
effects  of  such  factors.  For  instance,  when  maximum  voltages  are 
applied,  some  high-density  ceramic  devices  can  experience  a  de- 
crease  m  capacitance  of  50%  or  more ! 
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Similarly,  the  capacitance  and  dissipation  factor  of  many  types 
vary  significantly  with  frequency,  mainly  as  a  result  of  a  variation 
in  dielectric  constant.  In  this  regard,  the  better  dielectrics  are  poly- 
styrene, polypropylene,  and  Teflon. 

Assemble  Critical  Components  Last 

The  designer's  worries  don't  end  with  the  design  process.  Com- 
monly used  printed-circuit-board  assembly  techniques  can  prove 
ruinous  to  even  the  best  of  designs.  For  instance,  some  commonly 
used  p-c  board  cleaning  solvents  can  infiltrate  certain  electrolytic 
capacitors — those  with  rubber  end  caps  are  particularly  suscepti- 
ble. Even  worse,  some  of  the  film  capacitors,  polystyrene  in  par- 
ticular, actually  melt  when  contacted  by  some  solvents.  Rough 
handling  of  the  leads  can  damage  still  other  capacitors,  creating 
random  or  even  intermittent  circuit  problems.  Etched-foil  types 
are  particularly  delicate  in  this  regard.  To  avoid  these  difficulties, 
it  may  be  advisable  to  mount  especially  critical  components  as  the 
last  step  in  the  board  assembly  process — if  possible. 

Designers  should  also  consider  the  natural  failure  mechanisms  of 
capacitors.  Metallized  film  devices,  for  instance,  often  self-heal. 
They  initially  fail  due  to  conductive  bridges  that  develop  through 
small  perforations  in  the  dielectric  films.  But  the  resulting  fault  cur- 
rents can  generate  sufficient  heat  to  destroy  the  bridge,  thus  return- 
ing the  capacitor  to  normal  operation  (at  slightly  lower  capaci- 
tance). Of  course,  applications  in  high-impedance  circuits  may  not 
develop  sufficient  current  to  clear  the  bridge. 

Tantalum  capacitors  also  exhibit  a  degree  of  self-healing,  but — un- 
like film  capacitors — the  phenomenon  depends  on  the  temperature 
at  the  fault  location  rising  slowly.  Therefore,  tantalum  capacitors 
self-heal  best  in  high  impedance  circuits  which  limit  the  surge  in 
current  through  the  capacitor's  defect.  Use  caution,  therefore, 
when  specifying  tantalums  for  high-current  applications. 

Electrolytic  capacitor  life  often  depends  on  the  rate  at  which 
capacitor  fluids  seep  through  end  caps.  Epoxy  end  seals  perform 
better  than  rubber  seals,  but  an  epoxy  sealed  capacitor  can  explode 
under  severe  reverse-voltage  or  overvoltage  conditions. 

RESISTORS  AND  POTS 

Designers  have  a  broad  range  of  resistor  technologies  to  choose 
from,  including  carbon  composition,  carbon  film,  bulk  metal, 
metal  film,  and  both  inductive  and  non-inductive  wire-wound 
types.  As  perhaps  the  most  basic — and  presumably  most  trouble- 
free — of  components,  the  resistor  is  often  overlooked  as  a  potential 
source  of  errors  in  high-performance  circuits.  Yet,  an  improperly 
selected  resistor  can  subvert  the  accuracy  of  a  12-bit  design  by  de- 
veloping errors  well  in  excess  of  122  ppm,  ('/;  LSB).  When  did  you 
last  take  the  time  to  actually  read  a  resistor  data  sheet?  You'd  be 
surprised  at  what  can  be  learned  from  an  informed  review  of  the 
data. 

Consider  the  circuit  of  Figure  4,  which  amplifies  a  0-to-100-mV 
input  signal  1 00  times  for  conversion  by  a  1 2-bit  ADC  with  a  0-to- 
10-volt  input  range.  The  gain-setting  resistors  can  be  bought  in  in- 
itial tolerances  of  as  low  as  ±0.001%  (lOppm)in  the  form  of  pre- 
cision bulk  metal-film  devices.  Alternatively,  the  initial  tolerance 


of  the  resistors  may  be  corrected  through  calibration  or  selection. 
Consequently,  the  initial  gain  accuracy  of  the  circuit  can  be  set  to 
whatever  tolerance  is  required,  limited  perhaps  by  the  accuracy  of 
calibration  instrumentation. 

Temperature  changes,  however,  can  limit  the  accuracy  of  the  am- 
plifier of  Figure  4  in  several  ways.  The  absolute  temperature  coeffi- 
cients of  the  resistors  are  unimportant,  as  long  as  they  track.  Even 
so,  carbon  composition  resistors,  with  temperature  coefficients  of 
approximately  1,500  ppm/°C,  would  not  suit  the  application.  Even 
if  the  tempcos  could  be  matched  to  an  unlikely  1%,  the  resulting 
15  ppm/°C  differential  would  prove  inadequate — a  shift  of  as  little 
as  8°C  would  create  a  Vz-LSB  error  of  1 20  ppm. 

Manufacturers  do  offer  metal  film  and  bulk  metal  resistors  with 
absolute  temperature  coefficients  ranging  between  ±  1  and  ±100 
ppm/°C.  Beware,  though;  temperature  coefficients  can  vary  a  great 
deal,  particularly  among  resistors  from  different  batches.  To  avoid 
this  problem,  expensive  matched  resistor  pairs  are  offered  by  a  few 
manufacturers,  with  temperature  coefficients  that  track  one 
another  to  within  2  to  10  ppm/°C.  Low-priced  thin-film  networks 
are  good  and  are  widely  used. 

Unfortunately,  even  matched  resistor  pairs  cannot  fully  solve  the 
problem  of  temperature-induced  resistor  errors.  Figure  5a  illus- 
trates error-inducing  through  self-heating.  The  resistors  have  iden- 
tical temperature  coefficients  but  dissipate  considerably  different 
amounts  of  power  in  this  circuit.  With  an  assumed  thermal  resis- 
tance (data  sheet)  of  125°C/W  for  'A-watt  resistors,  resistor  Rl's 
temperature  rises  by  0.01 25°C,  while  resistor  R2's  temperature 
rises  by  1.24°C.  With  a  temperature  coefficient  of  50  ppm/°C,  the 
result  is  an  errorof  62  ppm  (0.006%). 

Even  worse,  the  effects  of  self-heating  create  nonlinear  errors.  In 
the  example  of  Figure  5a,  with  half  the  voltage  input,  the  resulting 
error  is  only  15  ppm.  Figure  5b  graphs  the  resulting  nonlinear 
transfer  function  for  the  circuit  of  Figure  5a.  This  is  by  no  means 
a  worst-case  example;  smaller  resistors  would  give  even  worse  re- 
sults due  to  their  higher  thermal  resistance. 
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Figure  4.  Temperature  changes  can  reduce  amplifier 
accuracy. 


Figure  5.  Resistor  self-heating  leads  to  nonlinear  amplifier 
response,  (a)  Anatomy  of  temperature-induced  nonlinearity. 
(b)  Nonlineartransfer function  (scale  exaggerated). 
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The  use  of  higher-wattage  resistors  for  those  devices  that  dissipate 
the  greatest  power  can  minimize  the  effects  of  resistor  self-heating. 
Alternatively,  thin-  or  thick-film  resistor  networks  minimize  the  ef- 
fects of  self  heating  by  spreading  the  heat  more  evenly  over  all  the 
resistors  in  a  given  package. 

Often  overlooked  as  a  source  of  error,  the  temperature  coefficient 
of  resistance  of  typical  wire  or  pc-board  interconnects  can  add  to 
a  circuit's  errors.  Metals  used  in  p-c  boards  and  for  interconnecting 
wires  (e.g.,  copper)  have  a  temperature  coefficient  as  high  as  3,900 
ppm/°C.  A  precision  10-ohm,  10ppm/°Cwirewound  resistor,  with 
0. 1  -ohms  of  interconnect  resistance,  for  instance,  effectively  turns 
into  a  45  ppm/°C  resistor.  The  temperature  coefficients  of  inter- 
connects play  a  particularly  significant  role  in  precision  hybrids, 
where  thin-film  interconnects  have  non-negligible  resistance. 

One  final  consideration  applies  mainly  to  designs  that  see  widely 
varying  ambient  temperatures:  a  phenomenon  known  as  tempera- 
ture retrace  describes  the  change  in  resistance  which  occurs  after 
a  specified  number  of  cycles  of  exposure  to  low  and  high  ambients 
with  constant  internal  dissipation.  Temperature  retrace  can  ex- 
ceed 10  ppm,  even  for  some  of  the  better  metal-fiim  components. 

In  summary,  to  design  resistance  circuits  for  minimum  tempera- 
ture-related errors,  consider  the  following  (along  with  their  cost) : 

•  Closely  match  resistance-temperature  coefficients. 

•  Use  resistors  with  low  absolute  temperature  coefficients. 

•  Use  resistors  with  low  thermal  resistance  (higher  power  rat- 
ings, larger  cases). 

•  Tightly  couple  matched  resistors  thermally;  (use  standard  re- 
sistance networks  or  multiple  resistors  in  a  single  package). 

•  For  large  ratios,  consider  using  stepped  attenuators. 

Resistor  Parasittcs 

Resistors  can  exhibit  significant  levels  of  parasitic  inductance  or 
capacitance,  especially  at  high  frequencies.  Manufacturers  often 
specify  these  parasitic  effects  as  a  reactance  error,  in  %  or  ppm, 
based  on  the  ratio  of  the  difference  between  the  impedance 
magnitude  and  the  dc  resistance,  to  the  resistance,  at  one  or  more 
frequencies. 

Wirewound  resistors  are  especially  susceptible  to  difficulties.  Al- 
though resistor  manufacturers  offer  wirewound  components  in 
either  normal  or  noninductively  wound  form,  even  noninductiVely 
wound  resistors  create  headaches  for  designers.  These  resistors 
still  appear  slightly  inductive  (of  the  order  of  20  u.H)  for  R  values 
below  10,000  ohms.  Noninductively  wound  resistors  that  exceed 
10,000  ohms  actually  exhibit  about  5  pF  of  shunt  capacitance. 

These  parasitic  effects  can  raise  havoc  in  dynamic  circuit  applica- 
tions. Of  particular  concern  are  applications  using  wirewound  re- 
sistors with  values  both  greater  and  less  than  10,000  ohms.  Here 
it  is  not  uncommon  to  see  peaking,  or  even  oscillation.  These  ef- 
fects become  evident  at  frequencies  in  the  low-kHz  range. 

Even  in  low-frequency  circuit  applications,  parasitic  effects  in  wire 
wound  resistors  can  create  difficulties.  Exponential  settling  to  1 
ppm  takes  20  time  constants  or  more.  Parasitics  associated  with 
wire  wound  resistors  can  increase  settling  time  beyond  the  length 
of  those  time  constants  significantly. 

Unacceptable  amounts  of  parasitic  reactance  are  often  found  even 
in  resistors  that  aren't  wirewound.  For  instance,  some  metal-film 
types  have  significant  interlead  capacitance,  which  shows  up  at 
high  frequencies.  Carbon  resistors  do  the  best  at  high  frequencies. 


Thermoelectric  Effects 

The  junction  between  any  two  dissimilar  metals  creates  a  thermal 
EMF.  In  many  cases,  it  can  easily  produce  the  dominant  error  in  a 
precision  circuit  design.  In  wire  wound  resistors,  for  instance,  the 
resistance  wire  generates  a  thermal  EMF  of  42  microvolts/°C  when 
joined  to  the  leads  (A  typical  lead  material  is  Alloy  180,  consisting 
of  77%  copper  and  23%  nickel).  If  the  resistor's  two  terminations 
see  the  same  temperature,  the  EMFs  cancel  and  no  net  error  results. 
However,  if  the  resistor  is  mounted  vertically  a  temperature  gradi- 
ent may  exist  between  the  bottom  and  top  of  the  resistor  because  of 
air  flow  past  the  long  lead  and  its  lower  heat  capacity. 

For  a  temperature  difference  of  as  little  as  1°C,  an  error  voltage 
of  42  microvolts  results,  a  level  which  easily  overwhelms  the  25- 
microvolt  offsets  of  typical  precision  op  amps!  A  horizontally 
mounted  resistor  (Figure  6)  can  resolve  the  difficulty.  Alterna- 
tively, some  resistor  manufacturers  offer,  on  special  order,  tinned 
copper  leads,  which  reduce  the  thermal  EMF  to  2.5  microvolts/°C. 
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Figure  6.  Thermal  gradients  create  significant  thermoelec- 
tric circuit  errors. 

In  general,  designers  should  strive  to  avoid  thermal  gradients  on 
or  near  critical  circuit  boards.  Often  this  means  thermally  isolating 
components  that  dissipate  significant  amounts  of  power.  Thermal 
turbulence  created  by  large  temperature  gradients  can  also  result 
in  dynamic  noise-like  low-frequency  errors. 

Voltage,  Failure,  and  Aging 

Resistors  are  also  plagued  by  changes  as  a  function  of  applied  volt- 
age. The  deposited-oxide  high-megohm  type  components  are  espe- 
cially sensitive,  with  voltage  coefficients  ranging  from  1  ppm/volt 
to  more  than  200  ppm/volt.  This  is  another  reason  to  exercise  cau- 
tion in  precision  applications,  such  as  high-voltage  dividers. 

Resistors'  failure  mechanisms  can  also  create  circuit  difficulties  if 
not  carefully  considered.  Carbon-composition  resistors  fail  safely 
by  turning  into  open  circuits.  Consequently,  in  some  applications, 
these  components  play  a  useful  secondary  role  as  a  fuse.  Replacing 
such  a  resistor  with  a  carbon-film  type  can  lead  to  trouble,  since 
carbon-film  devices  can  fail  as  short  circuits.  (Metal-film  compo- 
nents usually  fail  as  open  circuits.) 

All  resistors  tend  to  change  slightly  in  value  with  age.  Manufactur- 
ers specify  long-term  stability  in  terms  of  change — ppm/year. 
Values  of  50  or  75  ppm/year  are  not  uncommon  among  metal  film 
resistors.  For  critical  applications,  metal-film  devices  should  be 
burned-in  for  at  least  one  week  at  rated  power.  During  burn-in, 
R  values  can  shift  by  up  to  100  or  200  ppm.  Metal  film  resistors 
may  need  4,000  or  5,000  operational  hours  for  full  stabilization, 
especially  if  they  are  deprived  of  a  burn-in  period. 

Resistor  Excess  Noise 

Most  designers  have  some  familiarity  with  thermal,  or  Johnson, 
noise  in  resistors.  But  a  less  widely  recognized  second  noise 
phenomenon,  called  excess  noise,  can  prove  particularly  trouble- 
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some  in  precision  op  amp  and  converter  circuits.  Excess  noise  be- 
comes evident  only  when  current  passes  through  a  resistor. 

To  review  briefly,  thermal  noise  results  from  the  thermally  induced 
random  vibration  of  charge  carriers  in  a  resistor.  Although  the  av- 
erage current  from  these  vibrations  remains  zero,  instantaneous 
charge  motions  result  in  an  instantaneous  voltage  across  the  resis- 
tor's terminals. 

Excess  noise,  on  the  other  hand,  occurs  primarily  when  dc  flows 
in  a  discontinuous  medium,  such  as  a  carbon  composition  resistor. 
The  current  flows  unevenly  through  the  compressed  carbon 
granules,  creating  microscopic  particle-to-particle  "arcing".  The 
phenomenon  gives  rise  to  a  1/f  noise-power  spectrum,  in  addition 
to  the  thermal  noise  spectrum.  In  other  words,  the  excess  spot 
noise  voltage  increases  as  the  inverse  square-root  of  frequency. 

Excess  noise  often  surprises  the  unwary  designer.  Resistor  thermal 
noise  and  op  amp  noise  set  the  noise  floor  in  typical  op-amp  cir- 
cuits. Only  when  voltages  appear  across  input  resistors  and  cause 
current  to  flow  does  the  excess  noise  become  a  significant — and 
often  dominant — factor.  In  general,  carbon  composition  resistors 
generate  the  most  excess  noise.  As  the  conductive  medium  be- 
comes more  uniform,  excess  noise  becomes  less  significant.  Car- 
bon film  resistors  do  better,  and  metal  film  resistors  do  better  yet. 

Manufacturers  specify  excess  noise  in  terms  of  a  noise  index — the 
number  of  microvolts  of  rms  noise  in  the  resistor  in  each  decade 
of  frequency  per  volt  of  dc  drop  across  the  resistor.  The  index  can 
rise  to  lOdB  (3  microvolts  per  dc  volt  per  decade  of  bandwidth) 
or  more.  Excess  noise  is  most  significant  at  low  frequencies.  Above 
100  kHz,  thermal  noise  predominates. 

Potentiometers 

Trim  potentiometers  can  suffer  from  most  of  the  phenomena  that 
plague  fixed  resistors.  Users  must  also  remain  vigilant  against  ad- 
ditional hazards  unique  to  these  components. 

For  instance,  many  trim  potentiometers  are  not  sealed  and  can  be 
severely  damaged  by  board-washing  solvents,  and  even  by  exces- 
sive humidity.  Vibration — or  simply  extensive  use — can  damage 
resistive-element  and  wiper  terminations.  Contact  noise,  tempcos, 
parasitic  effects,  and  limitations  on  adjustable  range  can  all 
hamper  circuit  operation.  Furthermore,  the  limited  resolution  of 
wirewound  types  and  the  hidden  limits  to  resolution  in  cermet  and 
plastic  types  (hysteresis,  incompatible  material  tempcos,  slack) 
make  the  obtaining  and  maintaining  of  precise  settings  anything 
but  an  "infinite  resolution"  process.  Rule:  Use  infinite  care  and  in- 
finitesimal adjustment  range  to  avoid  infinite  frustration. 

PRINTED-CIRCUIT  BOARDS 

Printed-circuit  boards  act  as  "unseen  components"  in  all  precision 
circuit  designs.  Since  designers  rarely  consider  the  electrical  char- 
acteristics of  PC  boards  as  additional  circuit  components,  the  cir- 
cuit's performance  usually  ends  up  worse  than  predicted. 

Printed-circuit-board  effects  that  are  harmful  to  precision  circuit 
performance  include  leakage  resistances,  voltage  drops  in  ground 
foils,  stray  capacitances,  dielectric  absorption  and  related  "hook" 
(a  salient  feature  of  the  circuit's  step-response  waveform).  In  addi- 
tion, the  tendency  of  p-c  boards  to  absorb  atmospheric  moisture 
("hygroscopicity")  means  that  changes  in  humidity  often  cause  the 
contributions  of  some  parasitic  effects  to  vary  from  day  to  day. 

In  general,  printed-circuit-board  effects  can  be  divided  into  two 


categories — those  that  most  noticeably  affect  the  static  or  dc  oper- 
ation of  the  circuit,  and  those  that  most  noticeably  affect  dynamic 
or  a-c  circuit  operation. 

Static  PC-Board  Effects 

Leakage  resistance  is  the  dominant  static  circuit  board  effect.  Con- 
tamination of  the  board's  surface,  in  the  form  of  flux  residues,  de- 
posited salts,  and  other  debris  can  create  leakage  paths  between 
circuit  nodes.  Even  on  well  cleaned  boards,  it  is  not  unusual  to  find 
10  nA  or  more  of  leakage  to  nearby  nodes  from  15-volt  supply 
rails.*  Nanoamperes  of  leakage  current  into  the  wrong  nodes  often 
cause  volts  of  error  at  a  circuit's  output;  for  example,  10  nA  into 
a  10-megohm  resistance  causes  0.1  V  of  error. 

To  identify  nodes  sensitive  to  the  effects  of  leakage  currents,  ask 
the  simple  question:  If  a  spurious  current  of  a  few  nanoamperes 
or  more  were  injected  into  this  node,  would  it  matter? 

If  the  circuit  is  already  built,  you  can  localize  moisture  sensitivity 
to  a  suspected  node  with  a  classic  test.  While  observing  the  circuit's 
operation,  blow  on  potential  trouble  spots  through  a  simple  soda 
straw.  The  soda  straw  focuses  the  breath's  moisture,  which,  with 
the  board's  salt  content  in  susceptible  portions  of  the  design,  dis- 
rupts circuit  operation  upon  contact. 

There  are  several  means  of  eliminating  simple  surface  leakage 
problems.  Thorough  washing  of  circuit  boards  to  remove  residues 
helps  considerably.  A  simple  procedure  includes  vigorously  brush- 
ing the  boards  with  isopropyl  alcohol,  followed  by  a  thorough 
washing  with  deionized  water  and  an  85°C  bakeout  for  a  few 
hours.  Be  careful  when  selecting  board-washing  solvents,  though. 
If  cleaned  with  Freon-based  solvents,  some  water-soluble  fluxes 
create  salt  deposits,  exacerbating  the  leakage  problem. 

Unfortunately,  if  a  circuit  displays  a  sensitivity  to  leakage,  even  the 
most  rigorous  cleaning  can  offer  only  a  temporary  solution.  Prob- 
lems soon  return  upon  exposure  to  handling,  foul  atmospheres, 
and  high  humidity.  Guarding,  on  the  other  hand,  offers  a  fairly  re- 
liable and  permanent  solution  to  the  problem  of  surface  leakage. 
Well-placed  guards  can  eliminate  leakage  problems,  even  for  cir- 
cuits exposed  to  harsh  industrial  environments. 

Guarding  principles  are  simple:  Surround  sensitive  nodes  with 
conductors  that  can  readily  sink  stray  currents,  and  maintain  those 
conductors  at  the  exact  potential  of  the  sensitive  node.  The  guard 
potential  must  be  maintained  close  to  the  potential  of  the  sensitive 
node,  otherwise  the  guard  will  serve  as  a  source  rather  than  a  sink. 
For  example,  to  keep  the  leakage  current  into  a  node  below  a 
picoampere,  assuming  1000-megohm  leakage  resistance,  the 
guard  and  the  node  must  be  within  1 .0  millivolts  of  one  another. 
Figures  7a  and  7b  illustrate  the  guarding  principle  as  applied  to 
typical  inverting  and  non-inverting  op-amp  applications.  Figure  7c 
illustrates  an  actual  circuit-board  layout  for  a  guard.  Note  that,  to 
be  most  effective,  the  guard  pattern  should  appear  on  both  sides 
of  the  circuit  board.  Try  to  include  the  guards  when  first  laying  out 
a  new  board  pattern,  from  the  beginning  of  the  layout  process.  At 
later  stages,  there  is  usually  insufficient  space  left  to  locate  them 
optimally — ifatall. 

Dynamic  PC-Board  Effects 

Although  static  pc  board  effects  can  come  and  go  with  changes  in 
humidity  or  board  contamination,  problems  that  most  noticeably 

•Unfortunately,  the  standard  op-amp  pinout  places  the  -  15V  supply  pin  right 
next  to  the  +  input,  which  is  often  hoped  to  be  at  high  impedance. 
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Figure  7.  Proper  circuit  guarding  resolves  both  static  and 
dynamic  pc-board  induced  errors,  (a)  Use  of  guard  in  invert- 
ing application,  (b)  Use  of  local  guard  in  non-inverting  appli- 
cation. Voltage  buffer  would  help  in  guarding  cable,  (c) 
Printed-circuitboardguardpatternforopamp. 

affect  the  dynamic  performance  of  a  circuit  usually  remain  rela- 
tively constant.  Short  of  a  new  design,  they  can't  be  fixed  by  wash- 
ing or  any  other  simple  fixes.  As  such,  they  can  permanently  and 
adversely  affect  a  design's  specifications  and  performance. 

The  problems  of  stray  capacitance,  linked  to  lead  and  component 
placement,  are  reasonably  well  known  to  most  circuit  designers. 
Since  lead  placement  can  be  permanently  dealt  with  by  correct  lay- 
out, any  remaining  difficulty  is  solved  by  training  assembly  per- 
sonnel to  orient  components  or  bend  leads  in  an  optimal  way. 

Dielectric  absorption,  on  the  other  hand,  represents  a  more 
troublesome  and  still  poorly  understood  circuit-board  phenome- 
non. Like  dielectric  absorption  in  capacitors,  dielectric  absorption 
in  a  printed-circuit  board  can  be  modeled  by  a  series  resistor  and 
capacitor  connecting  two  closely  spaced  nodes  (Figure  8).  Its  effect 
is  inverse  with  spacing  and  linear  with  length.  The  model's  effec- 
tive capacitance  ranges  from  0.1  to  2.0  pF,  with  the  resistance 
ranging  from  50  to  500  MO.  Values  of  0.5  pF  and  100  Ma  are 
most  common.  Consequently,  circuit-board  dielectric  absorption 


Figure  8.  Dielectric  absorption  plagues  dynamic  response 
of  pc-based  circuits. 


properties.  The  chemistry  involved  in  producing  plated-through 
holes  seem  to  exacerbate  the  problem.  If  your  circuits  do  not  meet 
expected  transient  response  specs,  you  should  consider  circuit- 
board  dielectric  absorption  as  a  possible  cause. 

Fortunately,  there  are  solutions.  As  in  the  case  of  capacitor  dielec- 
tric absorption,  external  components  can  be  used  to  compensate 
for  the  effect.  More  importantly,  surface  guards  that  totally  isolate 
sensitive  nodes  often  completely  eliminate  the  problem  (The 
guards  must  be  duplicated  on  both  sides  of  the  board). 

Circuit-board  "hook",  similar  if  not  identical  to  dielectric  absorp- 
tion, is  characterized  by  a  variation  in  effective  circuit-board 
capacitance  with  frequency.  In  general,  it  affects  the  transient  re- 
sponse of  high-impedance  circuits  where  the  board's  capacitance 
is  an  appreciable  portion  of  the  total  circuit  capacitance.  Circuits 
operating  at  frequencies  below  10  kHz  are  the  most  susceptible. 
As  in  circuit-board  dielectric  absorption,the  board's  chemical 
makeup  very  much  influences  its  effects. 
DON'T  OVERLOOK  ANYTHING 

Remember,  if  your  precision  op-amp  or  data-converter-based  de- 
sign does  not  meet  specs,  try  not  to  overlook  anything  in  your  ef- 
forts to  find  the  error  sources.  Analyze  both  active  and  passive 
components,  and  try  to  identify  and  challenge  any  assumptions  or 
preconceived  notions  that  may  blind  you  to  the  facts.  Take  nothing 
for  granted. 

For  example,  when  not  tied  down  to  prevent  motion,  cable  con- 
ductors, moving  within  their  surrounding  dielectrics,  can  create 
significant  static  charge  buildups  that  cause  errors,  especially 
when  connectd  to  high-impedance  circuits.  Rigid  cables,  or  even 
costly  low-noise  Teflon-insulated  cables,  are  an  expensive 
alternative. 

As  more  high-precision  op  amps  and  higher  resolution  data  con- 
verters become  available,  and  system  designs  call  for  higher  speed 
and  accuracy,  a  thorough  understanding  of  the  error  sources  de- 
scribed in  this  article  becomes  more  important. 
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Keys  to  Longer  Life  for  CMOS 

Here's  How  CMOS  Can  Be  Protected  Against  Abuses 
by  Jerry  Whitmore 


The  two  principal  dangers  to  analog  CMOS  (Complementary- 
symmetry  Metal-Oxide  Semiconductors)  are  static  electricity 
and  overvoltage  (signal  voltages  exceeding  the  supply).  Both 
can  be  effectively  dealt  with  by  the  aware  user. 

STATIC  ELECTRICITY 

The  danger  from  electrostatic  voltage  buildup  is  that  of  "punch- 
through"  of  the  thin  oxide  (or  nitride)  layer  that  insulates  the 
gate  from  the  substrate,  due  to  accumulation  of  static  charge 
(V  ■  q/C  =  lkV/nC/pF).  This  danger  is  minimal  in  working  cir- 
cuits, because  the  gate  is  protected  by  zener  diodes  on  the 
chip,  which  permit  depletion  of  the  charge  at  safe  levels.  How- 
ever, during  socket  insertion,  it  is  possible  for  a  large  static 
charge  to  exist  between  the  CMOS  device  and  the  socket.  If  the 
first  pin  plugged  into  the  socket  happens  not  to  be  common  to 
the  zener-diode  protection  circuit,  the  charge  on  the  gate  will 
discharge  through  the  oxide  layer,  destroying  the  device.  These 
four  steps  will  help  the  device  survive  the  system  assembly  stage. 

1.  Keep  unused  CMOS  devices  in  the  black  conductive  foam 
in  which  they  were  shipped  to  prevent  charge  buildup  between 
pins. 

2.  Ground  the  operator,  who  is  inserting  the  devices,  to  the 
system  power  ground  with  a  plastic  ground  strap. 

3.  Before  pulling  the  CMOS  device  from  the  protective 
foam,  ground  the  foam  to  power  common  to  deplete  accu- 
mulated charge. 

4.  After  the  circuit  has  been  inserted  into  a  circuit  board, 
keep  the  board  grounded  or  shielded  when  carrying  it  around. 

THE  SCR  "LATCH" 

When  working  with  analog  CMOS  circuits,  the  safest  practice 
is  to  make  sure  that  no  analog  or  digital  voltage  applied  to  the 
device  exceeds  the  supply  voltage,  and  that  the  supply  voltage 
itself  is  within  ratings.  Nevertheless,  occasions  do  arise  where 
it  is  necessary  to  tolerate  overvoltage.  Protection  is  possible  in 
most  cases,  if  the  mechanism  of  failure  is  understood. 

Reprinted  from  Analog  Dialogue  8-2  1974 


Figure  1  shows  the  circuit  and  cross-section  of  a  typical  CMOS 
output  switching  element.  From  the  connections  and  associa- 
tions of  the  various  elements  and  regions,  we  can  draw  an 
equivalent  diode  circuit  (Figure  2).  If  the  analog  input  voltage 
at  either  the  S  or  the  D  terminals  exceeds  the  power-supply 


Figure  1.  Cross-section  of  CMOS  switching  element 

voltages,  the  parasitic  transistors  formed  by  the  various  diode 
junctions  are  placed  in  the  forward  bias  mode.  These  parasitic 
NPN  and  PNP  transistors  appear  to  form  the  SCR  ("silicon 
controlled-rectifier")  circuit  shown  in  Figure  3.  Overvoltage 


O  
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Figure  2.  Diode  equivalent  circuit  of  CMOS  switching  element 

can  cause  excessive  current  and  metallization  failure.  Nor- 
mally, the  outputs  of  op  amps  are  used  as  the  voltage  sources 
feeding  the  S  or  D  terminals,  so  the  currents  cannot  exceed  the 
op  amps'  dc  output  current  limitations.  Nevertheless,  it  is  still 
possible  for  transient  induced  currents  to  destroy  the  CMOS 
device;  protection  is  therefore  desirable. 
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IF,  FOR  EXAMPLE,  A  POSITIVE  OVER- 
VOLTAGE  IS  APPLIED  TO  THE  DRAIN 
TERMINAL,  THE  BASE  OF  Q1  WILL 
CONDUCT  WHEN  ITS  EMITTER  VOLTAGE 
EXCEEDS  VDD  BY  ONE  BASE-EMITTER 
DROP.  THE  COLLECTOR  CURRENT  WILL  v» 
INCREASE  TO  A  LEVEL  LIMITED  ONLY 
BY  THE  Vjs  AND  VD  CURRENT  LIMITATIONS. 
SINCE  THE  METAL  INTERCONNECT  TO  THE  v» 
SUPPLY  TERMINAL  IS  NORMALLY  DESIGNED 
TO  HANDLE  SMALL  CURRENTS,  THE  CURRENT 
DENSITIES  INVOLVED  CAN  CAUSE  DEVICE 
FAILURE. 


Figure  3.  Parasitic  transistor  action  in  CMOS  switch 

Figure  4  illustrates  a  means  of  preventing  turn-on  of  the  para- 
sitic transistors  by  means  of  diodes  (say  lN459's)  in  series 
with  the  supply  leads.  If  the  S  or  D  terminal  is  at  a  higher- 
than-supply  voltage,  CR1  and/or  CR2  are  reverse-biased  and 
base  drive  is  unavailable  to  turn  the  transistors  on.  A  separate 
pair  of  diodes  should  be  used  for  each  CMOS  device  to  be  pro- 
tected. Though  powerful,  the  method  is  not  infallible.  If  one 
terminal  of  the  switch  is  tied  to  a  negative  potential  (e.g.,  a 
I  the  other  terminal  is  raided  above  VDD, 


Ty. 
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protection  b.  Current-limiting  protection 

Figure  4.  Circuit  protection  schemes 


the  avalanche  diode  at  one  emitter  of  Q2  is  sufficient  to  supply 
enough  base  drive  to  turn  Q2  on,  despite  the  protective  diodes. 
For  such  a  situation,  a  current-limited  supply,  or  resistance  in 
series  with  the  capacitor  is  necessary. 

If  transient  overvoltages  are  expected  at  the  S  or  D  terminals, 
300-40012  in  series  with  the  terminal  to  be  fed  by  the  voltage 
source  is  suggested  (Figure  4b). 
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How  to  Reliably  Protect  CMOS  Circuits  A( 


INTRODUCTION 

All  IC  processes  have  an  intrinsic  breakdown  voltage 
associated  with  them,  and  this  results  in  a  maximum 
voltage  stress  which  can  be  applied  to  any  device  fabri- 
cated on  that  process.  As  a  result,  all  IC  manufacturers 
give  an  Absolute  Maximum  Ratings  specification  for 
their  devices.  This  generally  gives  the  maximum  voltage 
which  can  be  applied  to  any  of  the  pins  on  the  device. 
Overvoltaging  a  device  means  that  stresses  or  voltages 
in  excess  of  the  absolute  maximum  ratings  are  applied 
to  the  device.  This  application  note  deals  in  particular 
with  overvoltage  of  the  power  supply  inputs  to  CMOS 
and  linear-compatible  CMOS  devices. 

The  intrinsic  breakdown  voltage  associated  with  an  IC 
process  means  that  a  transistor,  buried  Zener  or  other 
such  element  on  the  process  will  have  a  defined  break- 
down voltage.  Obviously,  if  only  one  such  element  ap- 
peared between  the  positive  supply  input  (VDD)  and 
negative  power  supply  input  (Vss)  of  a  device,  the  abso- 
lute maximum  rating  voltage,  for  VDD  -  Vss,  would  be 
the  breakdown  voltage  of  the  element.  It  is  not  always 
possible  to  ensure  that  VDD  -  Vss  does  not  appear  across 
any  single  element  within  the  IC  as  it  is  often  compro- 
mised by  the  required  IC  functionality,  die  size  con- 
straints and  other  factors.  This  means  that  the  device 
manufacturer  will  be  left  with  a  finite  voltage  which  can 
be  applied  across  the  supplies  before  destruction  of  the 
device  results.  Thus  the  device  manufacturer  will  deter- 
mine the  limit  and  specify  an  absolute  maximum  rating 
on  the  data  sheet  for  the  part  which  is  safely  inside  the 
breakdown  voltage.  Users  of  the  part  must  ensure 
that  the  operating  voltages  applied  to  the  device  are 
within  the  absolute  maximum  ratings.  So  Where's  the 
problem? 

POWER  SUPPLY  SPIKES 

The  problem  arises,  not  with  the  steady-state  value  of 
the  power  supplies  which  is  easily  controlled,  but  with 
voltage  spikes  on  the  power  supply  lines.  The  most 
likely  place  for  these  voltage  spikes  to  occur  in  most 
systems  is  during  turn-on  and  turn-off  of  the  power 


supplies.  Other  potential  sources  of  voltage  spikes  are 
switching  mode  power  supplies  or  when  operating  the 
devices  in  noisy  environments,  such  as  in  the  presence 
of  large  motors.  During  these  times,  depending  on  the 
output  impedance  of  the  power  supplies,  the  load  pre- 
sented to  the  power  supplies  and  the  overall  design  of 
the  power  supply,  the  power  supply  voltage  may  signif- 
icantly overshoot  its  nominal  value  and  in  doing  so  ex- 
ceed the  absolute  maximum  ratings  of  the  device  (see 
Figure  1). 

OVERSHOOT 


POWER  SUPPLY 
NOMINAL  VOLTAGE 


Figure  1.  Power  Supply  Turn-On  Spikes 

Historically,  external  clamp  elements  such  as  Zener  and 
Schottky  diodes  have  been  used  to  limit  voltage  spikes 
to  a  duration  short  enough  to  prevent  any  damage  to  the 
device.  However,  as  geometries  of  CMOS  and  linear- 
compatible  CMOS  processes  shrink,  the  devices  fabri- 
cated on  them  are  getting  faster.  This  means  that  in 
normal  operation  there  is  a  significant  benefit  to  the  user 
in  terms  of  speed,  bandwidth,  etc.  However,  it  also 
means  that  elements  fabricated  on  the  faster  process 
will  respond  to  much  shorter  power  supply  transients.  It 
is  not  uncommon  for  devices  to  respond  to  power  sup- 
ply transients  which  are  of  the  order  of  Vs  duration  or 
less.  This  means  that  traditional  methods  of  protecting 
devices  using  Zener  and  Schottky  diodes  no  longer  reli- 
ably protect  the  device.  This  is  because  their  response 
time  to  a  voltage  spike  or  transient  is  now,  in  many 
cases,  slower  than  what  the  device's  response  time  is, 
and  therefore  they  do  not  provide  any  protection. 
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TransZorbs.*  TransZorb  suppressors  are  PN  Silicon 
transient  voltage  suppressors  that  are  characterized  by 
their  surge  handling  capability,  their  extremely  fast  re- 
sponse time  and  low  series  resistance.  Their  response 
time  can  be  as  low  as  1ns  while  their  clamping  ratio 
(ratio  of  clamp  voltage  to  nominal  voltage)  is  low.  The 
manner  in  which  the  TransZorb  is  used  to  protect  the 
device  depends  on  the  actual  application,  and  a  number 
of  different  situations  are  discussed  in  the  following  sec- 
tions. In  all  cases,  the  TransZorb  should  be  placed  as 
close  as  possible  to  the  device  it  is  protecting  to  reduce 
the  resistance  between  the  TransZorb  and  the  device. 

Single  Supply  Systems 

The  first  case  is  where  the  CMOS  device  to  be  protected 
is  operated  from  a  single  power  supply  rail.  Obviously, 
in  this  case,  the  breakdown  path  is  between  this  single 
power  supply  rail  and  the  ground  rail  of  the  device.  In 
such  cases,  a  single  transient  suppressor,  connected  be- 
tween the  rail  and  ground  as  per  Figure  2,  is  sufficient  to 
reliably  protect  the  device  from  turn-on  and  turn-off 
transients.  This  single  TransZorb  will  protect  the  device 
from  transients  on  either  the  power  supply  rail  or  on  the 
ground  rail  by  clamping  the  voltage  differential  between 
them.  The  TransZorbs  come  in  a  variety  of  different 
voltage  ratings,  and  Table  I  gives  the  recommended 
TransZorb  part  number  for  some  commonly  used  power 
supply  voltages. 

Dual  Supply  Systems 

The  second  case  is  where  the  device  is  powered  from 
two  supply  rails.  In  this  case,  a  number  of  potential 
breakdown  paths  exist.  The  first  is  between  the  positive 
and  negative  supply  rails,  the  second  between  the  posi- 
tive supply  rail  and  ground  and  the  third  between  the 
negative  supply  rail  and  ground.  For  dual  supply  sys- 
tems there  are  two  possible  protection  schemes. 

For  some  cases,  a  single  TransZorb,  connected  between 
the  two  supply  rails  as  in  Figure  3,  is  sufficient  to  protect 
the  device.  In  this  case,  the  TransZorb  voltage  rating  is 
equal  to  the  sum  of  the  two  power  supply  voltages.  This 
single  TransZorb  arrangement  assumes  that  when  a 

•TransZorb  is  a  registered  trademark  of  General  Semiconductor 
Industries,  Inc. 
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Figure  2.  Using  TransZorbs  in  Single  Supply  Systems 


POSITIVE  SUPPLY 


Figure  3.  Dual  Supply,  Single  TransZorb  Arrangement 


POSITIVE  SUPPLY 


I 


CMOS 
DEVICE 


NEGATIVE  SUPPLY 


Figure  4.  Dual  Supply,  Two  TransZorb  Arrangement 


Power  Supply 
Voltage 

+5  V  Supply 
-5  V  Supply 
+  12  V  Supply 
-12  V  Supply 
+  15  V  Supply 
-15  V  Supply 


TransZorb  Part  Number 
(JEDEC  Type  Number) 

1 N6373 
1N6373 
1 N6376 
1N6376 
1N6377 
1N6377 


Reverse  Stand-Off 
Voltage 

+  5  V 
-5  V 
+  12  V 
-12  V 
+  15  V 
-15  V 


Maximum  Clamping 
Voltage  @  1At 

+7.1  V 
-7.1  V 
+  16.1  V 
-16.1  V 
+20.1  V 
-20.1  V 


Maximum  Clamping 
Voltage  @  lOAt 

+7.5  V 
-7.5  V 
+  16.5  V 
-16.5  V 
+20.6  V 
-20.6  V 


tThis  is  the  peak  pulse  current. 


Table  I.  Recommended  TransZorbs  for  Figure  2  and  Figure  4 
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Power  Supply    TransZorb  Part  Number    Reverse  Stand-Off    Maximum  Clamping     Maximum  Clamping 


Voltage 

(JEDEC  Type  Number) 

Voltage 

Voltage  @  1At 

Voltage 

±5  V 

1 N6375 

10  V 

13.7  V 

14.1  V 

+  5  V,  -12  V 

1 N6378 

18  V 

24.2  V 

25.2  V 

+  5  V,  -15  V 

1 N6379 

22  V 

29.8  V 

32.0  V 

+  12  V,  -5V 

1 N6378 

18  V 

24.2  V 

25.2  V 

±12  V 

1N6282A 

25.6  V 

32.0  V* 

33.0  V* 

+  15  V,  -5  V 

1N6379 

22  V 

29.8  V 

32.0  V 

±15  V 

1 N6484A 

30.8  V 

38.5  V* 

39.5  V* 

tThis  is  the  peak  pulse  current. 

♦These  are  typical  numbers.  TransZorbs  are  available  with  lower  clamping  voltages  than  the  JEDEC  part  numbers  given  in  the 
table  above. 


Table  II.  Recorr 

spike  occurs  on  one  of  the  supplies  that  the  other  supply 
presents  a  low  output  impedance.  It  also  assumes  that 
the  supplies  are  capable  of  sinking  or  sourcing  the  addi- 
tional current  which  flows  when  a  spike  occurs.  If  these 
assumptions  hold,  then  all  three  breakdown  paths  are 
protected  when  the  spikes  occur  on  either  of  the  power 
supplies.  For  example,  if  the  positive  supply  is  +5  V  and 
the  negative  supply  is  -15  V,  the  TransZorb  rating  will 
be  20  V.  Assuming  there  is  a  +15  V  spike  on  the  +5V 
supply,  the  TransZorb  will  react  to  this  by  absorbing  the 
spike  and  sinking  the  current  down  to  the  -15  V  supply. 
This  means  that  the  -15  V  supply  must  be  able  to  sink 
the  additional  current.  If  it  can,  the  -15  V  supply  will  not 
move  from  its  -15  V  level  during  the  spike,  and  the 
TransZorb  will  ensure  that  the  positive  supply  will  not  be 
more  than  20  V  above  this.  This  means  that  the  positive 
supply  does  not  move  above  +5  V,  the  negative  supply 
does  not  move  from  -15  V,  and  all  three  breakdown 
paths  are  protected.  Table  II  gives  some  examples  of 
recommended  TransZorbs  for  a  number  of  common 
dual  power  supply  voltages. 

There  are  two  situations  where  the  single  TransZorb 
scheme,  across  the  positive  and  negative  supplies,  will 
not  always  protect  the  device.  The  first  of  these,  already 
mentioned  above,  is  where  one  of  the  supplies  cannot 
sink  or  source  the  additional  current  which  flows  during 
a  spike  or  when  either  of  the  supplies  does  not  present  a 
low  output  impedance  during  the  spike.  It  should  be 
noted  here  that  while  the  power  supply  may  present  a 
low  output  impedance  under  steady-state  conditions,  its 
impedance  during  turn-on  or  turn-off  may  be  different. 
Using  the  same  example  as  before,  if  the  -15  V  supply 
cannot  sink  the  required  spike  current,  it  means  that  the 
negative  supply  is  no  longer  at  -15  V.  The  TransZorb 
will  still  clamp  the  two  supplies  together  so  the  break- 
down path  between  the  two  supplies  is  protected.  How- 
ever, the  absolute  value  of  either  supply  is  no  longer 
clearly  defined.  If  we  assume  that  the  -15  V  goes  to, 
say,  -5V  because  it  cannot  sink  the  current,  it  means 
that  the  positive  supply  goes  to  +15  V.  This  will  possibly 
exceed  the  breakdown  path  between  the  positive  supply 
and  ground  and  lead  to  damage  to  the  device. 

The  second  situation  is  where  the  spikes  occur  on  the 
ground  line  and  not  on  either  of  the  power  supply  rails. 
A  positive  spike  of  +10  V  on  the  ground  line,  for  exam- 


TransZorbs  for  Figure  3 

pie,  would  not  cause  the  TransZorb  to  turn  on,  yet  the 
voltage  difference  between  ground  and  the  negative 
supply  is  now  25  V,  and  this  could  exceed  the  break- 
down voltage  between  the  negative  rail  and  ground. 

In  these  situations,  the  two  TransZorb  scheme,  shown  in 
Figure  4,  is  recommended.  This  two  TransZorb  scheme 
protects  against  voltage  spikes  on  the  ground  and  also 
protects  the  device  in  cases  where  either  of  the  supplies 
is  not  capable  of  sinking  or  sourcing  the  additional  cur- 
rent which  flows  during  the  spike.  This  scheme  ensures 
that  each  supply  is  independently  protected  and  the 
spike  current  flows  to  ground.  This  scheme  protects  the 
breakdown  path  from  each  supply  in  the  same  manner 
as  outlined  for  single  supply  systems.  By  protecting 
each  supply,  the  breakdown  between  the  two  supplies  is 
also  protected,  and  so  all  three  possible  breakdown 
paths  are  guarded  against.  Suitable  TransZorb  values 
for  common  power  supply  voltages  are  as  per  Table  I. 

SWITCHING-MODE  POWER  SUPPLIES/NOISY 
ENVIRONMENTS 

Another  situation,  other  than  power  on,  where  spiking  of 
the  supplies  can  occur  is  in  applications  using  switching- 
mode  power  supplies.  Although  the  switching  mode 
power  supply  may  be  regulated,  the  regulation  may  not 
be  sufficient  to  remove  spikes  as  low  as  1  u.s  duration.  If 
these  spikes  have  sufficient  magnitude  and  energy,  they 
also  can  cause  damage  to  the  device.  Other  potential 
problem  areas  are  applications  in  environments  which 
are  inherently  noisy  and  produce  spikes  on  power  sup- 
ply and  ground  rails.  Examples  of  this  type  of  applica- 
tion are  operating  devices  in  the  presence  of  large 
motors  or  operating  the  devices  in  industrial  environ- 
ments. The  schemes  recommended  in  Figures  2,  3  and  4 
for  turn-on/turn-off  spikes  are  equally  applicable  to  pro- 
tecting against  switching-mode  power  supply  spikes  or 
power  supply  spikes  generated  in  noisy  environments. 

The  TransZorb  schemes  shown  in  this  application  note 
protect  the  device  against  overvoltaging  of  the  power 
supplies.  It  will  not  prevent  damaged  being  caused  to 
the  device  when  recommended  power  supply  sequenc- 
ing is  not  obeyed.  Consult  the  absolute  maximum  rat- 
ings section  in  the  manufacturer's  data  sheet  to  see  if 
there  is  a  particular  power  supply  sequence  for  a  device 
or  if  the  digital  inputs  cannot  be  powered  before  the 
supplies. 
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Take  the  Guesswork  Out  of  Settling-Time  Measurements 

by  Barry  Harvey 


By  building  an  oscilloscope  input  amplifier 
and  a  step  generator,  you  can  use  off-the- 
shelf  laboratory  oscilloscopes  to  make  precise 
measurements  of  the  settling  times  of  fast 


linear  circuits. 


Because  linear  circuits  are  getting  faster  and  faster,  it's 
becoming  increasingly  difficult  to  accurately  measure 
such  circuits'  dynamic  performance.  Available  test 
equipment  is  inadequate  to  measure  the  dynamic  per- 
formance of  these  circuits,  which  have  settling  times  as 
fast  as  100  nsec.  Such  equipment  either  lacks  the 
requisite  sensitivity  or  has  poor  overload  characteris- 
tics, which  mask  the  effects  you're  trying  to  observe 
(see  box,  "Sources  of  error  in  fast-linear-IC  measure- 
ment"). 

To  test  a  device  accurately,  you  must  use  test  equip- 
ment that  has  much  better  resolution  than  the  device 
under  test  will  ever  require.  To  test  fast  linear  circuits, 
you  have  to  observe  small  effects  superimposed  on  a 
very  large  signal  change.  But  if  you  increase  oscillo- 
scope sensitivity  enough  so  you  can  see  these  small 
effects,  you  will  almost  certainly  produce  overload 
conditions  in  the  oscilloscope.  Off-the-shelf  oscillo- 
scopes do  not  provide  the  resolution  you  need  at  the 


extreme  ends  of  a  large  step  signal,  and  they  won't  be 
able  to  handle  the  overload  conditions. 

To  make  an  accurate  determination  of  settling  time — 
especially  for  op  amps  and  fast  D/A  converters — you 
need  to  build  two  items  of  special  test  equipment:  a 
step-function  generator  (Fig  1)  and  an  oscilloscope 
input  amplifier  (Fig  2). 

Fig  l's  step-function  generator  lets  you  evaluate  the 
recovery  characteristics  of  the  available  oscilloscopes. 
Further,  by  providing  a  reference  signal  that  has 
precisely  known  characteristics,  the  generator  will 
eliminate  guesswork  in  settling-time  measurement. 

The  oscilloscope  input  amplifier  in  Fig  2  provides  a 
resolution  to  200  \xNldi\  on  a  voltage-input  range  of 
±10V,  or  200  nA/div  on  a  current-input  range  of  ±10 
mA.  This  input  amplifier  will  allow  you  to  make  0.01% 
settling  determinations  without  having  to  estimate  the 
magnitude  of  small  and  questionable  oscilloscope  im- 
ages. This  test  system  provides  settling-time  measure- 
ments to  50  nsec  for  8-bit  measurements  and  will  allow 
you  to  perform  dynamic  tests  on  12-bit  devices  at  full 
operating  speeds. 


Test  fixture  removes  sources  of  error 

Fig  2  shows  the  complete  test  fixture.  This  test 
fixture,  which  will  eliminate  most  sources  of  error, 
consists  for  the  most  part  of  discrete  components  and 
CA3127  transistor  arrays.  The  main  amplifier  chain 
consists  of  cascaded  differential  amplifiers  ICi  through 
IC4,  with  emitter  followers  between  each  stage  to 
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Off-the-shelf  scopes  don't  provide  the  resolu- 
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perform  buffering  and  level  shifting.  Although  these 
amplifiers  overload  in  the  presence  of  large  inputs,  they 
do  not  saturate,  and  they  recover  from  overload  within 
approximately  15  nsec. 

It's  essential  that  you  place  each  amplifier  section  in  a 
separate,  well-shielded  compartment.  If  the  shielding  is 
not  adequate,  the  entire  amplifier  chain  may  oscillate  at 
several  hundred  megahertz. 

The  Vin  path  has  a  gain  of  0.5  between  the  input 
terminal  and  the  summing  junction.  ICi  and  IC2  provide 
most  of  the  system  gain;  you  set  the  product  of  their 
gains  to  a  value  between  4  and  100  by  varying  the  bias 
currents  fed  into  the  differential  amplifiers.  IC:i  and  ICj 
together  form  a  linear  output  driver  with  a  gain  of  2  and 
a  differential  output  swing  of  no  more  than  ±160  mV; 
thus,  an  oscilloscope  set  for  an  A  +  B  display  of  vertical 
inputs  with  B  inverted  and  a  sensitivity  of  20  mV/div 


needs  to  handle  only  two  screens'  worth  of  signal;  this 
small  input  range  does  not  overload  the  oscilloscope 
input  circuitry.  All  signals  are  measured  relative  to 
ground,  not  to  some  bias  point. 

The  offset  voltage  is  provided  by  transistors  Qi 
through  Q7  and  their  related  components.  Transistor 
Q2,  the  offset  voltage  source,  operates  at  a  bias  of  25 
mA  to  reduce  its  output  impedance,  and  it  has  a 
feedback  loop  to  reduce  the  output  impedance  still 
further  at  high  frequencies.  Transistor  Qg  acts  as  a 


stores  the  offset  level. 

The  test  fixture  has  an  autozero  feature,  which 

offsets  the  final  output  value  of  the  device  under  test  so 

that  it  falls  on  the  oscilloscope  baseline.  The  test  fixture 

cycles  continuously  through  the  four  time  states  shown 
 Continued  on  pg  182 
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Sources  of  error  in  fast-linear-IC  measurement 


It's  often  difficult  to  measure 
the  performance  of  fast  linear 
ICs,  mainly  because  off-the-shelf 
laboratory  oscilloscopes  either 
can't  handle  the  sensitivity  you 
require  or  mask  the  effects 
you're  trying  to  observe. 

When  you  use  off-the-shelf 
equipment  to  measure  the  per- 
formance of  a  fast  linear  circuit, 
your  measurements  may  be  inac- 
curate because  such  equipment 
doesn't  allow  you  to  see  the  ac- 
tual shape  of  a  waveform.  And 
you  can't  accurately  estimate  the 
actual  shape  of  a  waveform  by 
assuming  that  it  follows  an  expo- 
nential curve;  if  you  do  so,  your 
estimation  may  be  wildly  inac- 
curate. 

Although  many  components  of 
analog  waveforms  are  exponen- 
tial— overshoot,  ringing,  and  the 
response  produced  by  feed-for- 
ward compensation  fall  into  this 
category — waveshapes  are  often 
composed  of  components  that 
are  not  exponential,  although 
they  may  seem  to  be.  Overload 
recovery,  for  example,  is  almost 
never  exponential,  and  thermal 
tails  can  have  almost  any  shape. 

Fig  A  shows  the  difference  be- 
tween an  actual  waveform  and 
an  expected  exponential  curve. 
The  lower  diagram  in  Fig  A 
shows  an  analog  signal  moving 
from  some  initial  value  to  a 
higher  level  and  then  settling  to- 
ward a  final  value.  The  area 
within  the  dashed  lines  is  ex- 
panded by  a  factor  of  2000  in  the 
upper  diagram.  You'll  see  that 
overshoot  and  recovery  compo- 
nents cause  the  waveform  to 
have  a  tail  that  crosses  the  lines 
representing  the  ±  1-mV  accept- 
able settling  window  more  than 
once. 

The  time  that  elapses  between 
the  start  of  the  rising  edge  and 
the  last  entry  into  the  settling 
window  is  called  Tsettle-  The 
dashed  curve  in  Fig  A  approxi- 
i  the  sum  of  all  exponential 


components  of  the  waveform;  if 
the  real  waveform  followed  this 
exponential  curve,  you  could 
easily  determine  settling  time. 

However,  most  electronic  cir- 
cuits exhibit,  after  slewing,  a 
slow-settling  component  that's 
not  exponential.  One  of  the  most 
troublesome  components  of  this 
kind  is  the  tail  generated  by  a 
device  input  stage  that's  driven 
into  overload  by  a  step  function. 
It's  hard  to  determine  the  differ- 
ence the  tail  makes,  because  a 
wide  range  of  overloads  will  pro- 
duce the  same  recovery  charac- 
teristics— for  example,  a  10V 
step  and  a  20V  step  might  both 
produce  an  identical  1-mV  set- 
tling component,  which  would 
appear  as  a  0.01%  tail  on  the 
10V  step,  but  a  0.005%  tail  on 
the  20V  step. 

Although  a  0.005%  tail  on  the 
20V  step  appears  to  indicate  bet- 
ter system  performance,  the 
performance  is  actually  un- 
changed. Other  causes  of  tails 
are  thermal  changes,  the  desta- 
bilization  of  a  power  supply  or  of 
bias,  and  the  characteristics  of  a 
device  that's  recovering  from 
saturation;  tails  due  to  these 


causes  are  not  symmetrical  for 
input  steps  of  opposite  slope. 

The  pole/zero  pairs  in  op  amps 
that  use  feed-forward  compensa- 
tion are  particularly  trouble- 
some. Many  such  amplifiers  have 
settling  times  of  1  ^sec  or  less 
for  settling  accuracies  of  1  or 
0.1%.  However,  when  these  am- 
plifiers must  settle  to  an  accura- 
cy of  0.01%,  the  settling  time 
increases  to  3  usee  or  more. 

This  phenomenon  is  significant 
in  oscilloscope  probes  that  atten- 
uate, because  such  probes  often 
use  pole/zero  pairs  to  smooth  out 
response  aberrations  over  a 
wide  frequency  range,  but  in  the 
process  they  produce  linear  tails 
of  1%  or  more. 

Noise,  too,  can  be  a  source  of 
confusion.  Noise  peaks  that  con- 
stantly cross  the  settling  window 
may  make  you,  think  the  device 
under  test  hasn't  settled,  even 
when  the  device's  contribution 
to  the  waveform  is  constant.  Ac- 
tually, 16-bit  D/A  converters 
never  really  do  settle;  to  esti- 
mate their  performance,  you  just 
have  to  smooth  the  output  wave 
and  ignore  the  noise. 


Fig  A— This  typical  fettling  waveform  shows  what  you  can  expect  to  see  on  a 
low-sensitivity  oscilloscope  (bottom)  and  an  expanded  view  (top)  of  the  details  that  are 
difficult  to  measure. 


MISCELLANEOUS  24-35 


.T. 


"  .2 

Q, 
2NS5e3( 
Ibias  ■  25  mA 


i6    "T  ' 

°/     8     °/     9  0/16 


15V,.  -15V 

ft  T 

FERRITE 

BEAD   I  4 


■vV\*-«-VW^-H  >    BEAD  I 

> 


GANGED 

4j  

T 


6  15V 

Fig  2— This  settling-time  test  fixture  hi 

oscilloscope  baseline.  The  fixture  has  spt 

is  an  autozero  feature,  which  ensures  that  the  final  output  of  the  device  under  test  will  tall  on  the 
aal  protection  against  overloading  of  the  oscilloscope  input  circuits 

■ 

■ 


24-36  MISCELLANEOUS 


MISCELLANEOUS  24-37 


If  you  assume  that  settling  tails  too  small  to 
see  clearly  are  exponential,  your  estimate 
may  be  wildly  inaccurate. 


in  Table  1.  Comparator  IC,,  acts  as  an  800-Hz  clock 
oscillator  that  generates  the  time  states  with  the  aid  of 
IC|2,  a  4-bit  counter,  and  Id:1,  a  decoder.  IC,,  divides 
and  squares  the  clock  signal;  IC]3  provides  four  non- 
overlapping  but  closely  synchronized  state  signals. 

The  repetition  rate  of  the  complete  cycle  (S,  through 
Si)  is  set  at  approximately  200  Hz  to  allow  the  oscillo- 
scope to  develop  sufficient  brightness.  During  the  first 
state  (Si),  when  the  device  under  test  is  at  its  final 
value,  IC  measures  the  unbalance  of  amplifier  IC,. 

The  output  of  IC  drives  IC  (an  S/H  amplifier)  to 
change  the  offset  voltage  in  the  direction  that  tends  to 
rebalance  ICi.  This  coarse  autozero  voltage  settles 


TABLE  1— TIME  STATES  AND  ACTIONS 
FOR  AUTOZERO  FUNCTION 

TIME   pi 

STATE 

S( 

VALUE  FOR 
DEVICE 
UNDER 
TEST 

FINAL  FINAL 

INITIAL 

FINAL 

SYSTEM 
FUNCTION 

COARSE  FINE 
AUTOZERO  AUTOZERO 

STARTING 
MARK 
(TEST  FIXTURE 
IS  OVERLOADED! 

DISPLAY 
SETTLING 
CHARACTERISTIC 

J 

SCOPE  TRIGGER 

toward  the  end  of  time  state  Si.  Exactly  at  the  end  of 
Si,  IC9  (in  conjunction  with  IC7)  samples  and  holds  the 
voltage  on  capacitor  C7  (C7  is  in  IC's  feedback  loop). 
This  voltage  acts  as  a  reference  voltage  for  the  succeed- 
ing time  states. 

Although  it's  stable  to  several  tens  of  microvolts,  the 
coarse  autozero  voltage  is  not  accurate  enough  to 
ensure  that  the  final  output  value  of  the  device  under 
test  will  be  offset  onto  the  oscilloscope  baseline.  The 
largest  error  occurs  when  the  fourth  analog  switch  of 
ICT  disconnects  IC  from  IC,  delivering  a  charge  from 
the  switch  to  the  integrator  input  and  causing  a  step  of 
approximately  1  mV.  To  correct  for  the  effects  of  this 
step,  IC  and  IC  force  IC  and  IC  to  come  to  balance 
during  state  S2  by  injecting  feedback.  At  the  end  of 
state  Sj,  IC  samples  and  holds  the  voltage  that  brought 
the  fixture  output  to  balance;  input  baseline  variations 
of  ±  10V  cause  less  than  20  u.V  of  output  baseline  shift. 

In  state  S;!,  the  fixture  sends  the  device  under  test  to 
its  initial  value;  at  this  time,  the  amplifiers  of  the 
fixture  will  probably  be  overloaded,  but  will  recover 
rapidly.  In  state  S4,  the  device  under  test  settles  back 
toward  its  final  value  and  the  oscilloscope  is  triggered 
so  that  you  can  observe  the  settling  event  through  the 
fixture. 

The  test  fixture  accepts  either  a  current  input  (con- 
nected directly  to  the  summing  junction)  or  a  voltage 
input  (connected  via  a  1000H  resistor).  The  effective 
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Fig  3— The  step-function  generator  settles  to  0.01%  within  70  usee  toward  ground  (a)  mid  toward  10  V  (b).  These  scope  photos  show  settling 
times  of  the  step  generator  and  the  test  fixture  alone. 
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impedance  of  RIN  and  RM-r  in  parallel  is  50011,  and  the 
time  constant  is  approximately  7  nsec.  (A  lower  imped- 
ance would  improve  settling  speed,  but  some  sources, 
which  have  difficulty  in  driving  even  the  1000ft  input 
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Fig  4 — The  long-term  step-generator  tail  is  approximately  80  u.V 

when  settling  to  ground  and  approximately  JOO  \lV  when  settling  to 
10V. 


impedance  at  the  voltage  input,  would  not  tolerate  any 
decrease.) 

Transistors  Q,  through  Q„  alleviate  this  difficulty  by 
simulating  a  negative  resistance  of  -  1000ft,  which  can 
be  switched  in  parallel  with  the  1000ft  voltage-input 
resistor.  When  actuated,  the  negative-resistance  simu- 
lator raises  the  impedance  at  the  voltage  input  to 
approximately  30,000ft  and  provides  whatever  current 
is  needed  to  assist  the  device  under  test  in  placing  its 
normal  output  current  through  the  input  resistor. 

Determine  settling  times  accurately 

Fig  3  shows  the  settling  times — both  toward  10V  and 
toward  ground — that  you  obtain  when  the  edge  genera- 
tor is  driving  the  test  fixture.  The  combined  settling 
time  of  both  units  to  within  0.01%  of  10V  is  70  nsec  or 
less,  measured  from  the  point  where  ringing  is  no 
longer  visible  after  slewing  (at  the  second  major  divi- 
sion on  curve  A)  to  the  last  crossing  of  the  1-mV 
division  (curve  B).  It's  difficult  to  know  what  each  unit 
actually  contributes  to  the  combined  settling  time; 
however,  it  seems  probable  that  the  fixture  settles 
within  50  nsec,  and  that,  beyond  the  40-nsec  mark,  the 
display  shows  the  real  settling  tail  of  the  edge  genera- 
tor plus  a  small,  slow,  thermal  response  from  the 
fixture. 

The  size  of  the  tail,  as  you  can  see  from  Fig  4,  is 
approximately  80  jjlV  when  the  signal  is  settling  to 
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Fig  5 — Even  at  0.0029c  (16-bit)  resolution,  settling  time  for  the  step-function  generator  is  only  150  nsec  toward  ground  fa)  or  toward  10V 
(b).   
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Overload  recovery  is  almost  never 
exponential. 


ground  and  300  p.V  when  it's  settling  to  10V.  A  develops  a  long  settling  tail  in  driving  the  1-kfl  resis- 

supply-voltage  glitch  occurs  on  each  transition  of  the  tors.  In  that  case,  switch  in  the  negative-resistance 

output,  so  the  edge  generator  probably  creates  some  of  simulator. 

the  tail.  When  it's  driven  by  a  fast  signal  source,  the  nega- 

When  you're  applying  a  large  signal  to  the  input  of  tive-resistance-simulator  circuit  can  cause  short-term 

the  test  fixture,  you  may  find  that  the  signal  source  ringing.  Thus,  when  you're  testing  very  fast  devices, 
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Fig  7— A  fast  FET  op  amp  settles  to  0.01%  within  1.5  iisec  toward  ground  (a)  and  toward  10V  (b).  The  last  ringing  peak  that  grazes  the  ±1 
major  vertical  division  is  taken  as  the  0.01%  settling  point. 
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Ifs  essential  that  you  place  each  amplifier 
section  in  a  separate,  well-shielded 
compartment. 


you  may  have  to  use  the  normal  1000ft  input  for  the 
short-term  measurements  and  then  switch  in  the  im- 
pedance buffer  for  an  accurate  display  of  the  long-term 
effects.  Fig  5's  photos,  which  were  taken  with  the 
negative-resistance  simulator  inactive,  show  that  even 
with  16-bit  resolution,  the  test  system's  settling  time  is 


less  than  150  nsec. 

You  can  use  Fig  2's  test  fixture  to  test  op  amps  as 
well  as  D/A  converters.  The  scope  photos  in  Figs  6  and 
7  show  the  settling  times  of  a  standard,  high-accuracy 
op  amp  (OP-07)  and  a  fast  FET  op  amp  (OP-16).  Fig  8 
shows  the  settling  times  of  two  565A  12-bit  D/A  con- 
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Fig  8 — Two  565A  DIA  converters  (a  and  b)  exhibit  similar  settling  times  but  one  (b)  generates  a  large  glitch  at  the  off-to-on  transition.  A 
compression  of  the  glitch  appears  in  e. 
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verter  devices  from  different  manufacturers. 

The  565A  devices  require  a  special  test  setup,  be- 
cause their  full-scale  output  is  only  -2  mA,  in  contrast 
with  the  fixture's  ±  10-mA  input  range.  This  sensitivity 
penalty  degrades  the  signal-to-noise  ratio.  You  should 
ground  the  feedback  and  offset  resistor  of  the  565A 
devices  to  prevent  their  capacitance  from  slowing  the 
settling.  You  should  also  bypass  the  reference  output 
with  a  1-|jlF  tantalum  capacitor  to  prevent  the  refer- 
ence from  destabilizing. 

To  measure  current,  ground  the  voltage  input  termi- 
nal of  the  fixture,  or  terminate  it  with  a  50fi  resistor, 
and  connect  the  converter  output  to  the  current-input 
terminal  of  the  fixture.  The  input  impedance  is  now 


500fl,  but  by  reckoning  it  as  lOOOfi,  you  can  maintain 
the  calibration  of  the  gain  switch.  Thus,  1  mV/div  on 
the  gain  switch  equals  1  (i.A7div  of  input,  or  approxi- 
mately 2  LSB  of  the  converter  output.  The  first  device 
seems  to  settle  within  its  250-nsec  specification,  even 
though  it  has  a  slow  tail  (approximately  ±1  LSB)  (Fig 
8a).  This  tail  is  probably  real,  but  you  should,  of  course, 
always  be  suspicious  of  any  measurements  at  these 
speeds  and  sensitivities.  The  second  device  exhibits  a 
large  glitch  on  the  off-to-on  transition  (Fig  8b);  this 
glitch  is  probably  caused  by  destabilization  of  the 
device's  reference  input  amplifier.  Fig  8c  shows  a 
compression  of  Fig  8b's  glitch  so  that  the  whole  glitch  is 
visible. 
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Ask  the  Applications  Engineer— 2 

by  James  Bryant 


WHEN  IT  COMES  TO  TRIMMING  .  .  . 

Q:    /  need  some  advice  about  trimming  offsets  and  gains. 

A.  Don't!— unless  you  must.  Good  alternatives  include  (a)  using 
headache-free  devices,  components,  and  circuits  that  meet  the 
specs  without  trimming;  (b)  taking  advantage  of  digital  tech- 
nology in  system  applications  to  make  trim  corrections  in 
software.  Savings  provided  on  occasion  by  trim  potentiome- 
ters, in  conjunction  with  loosely  spec'd  devices,  can  turn  out 
to  be  illusory  when  you  consider  the  effects  of  circuit  design, 
temperature,  vibration,  and  life  on  performance  and  stabil- 
ity—as well  as  additional  paperwork  and  complexity  trimming 
entails. 

Q:  Nevertheless,  how  do  I  trim  the  offset  and  gain  errors  in  analog 
circuitry? 

A:  In  the  correct  order  and  with  the  correct  inputs.  If  you  con- 
sider the  transfer  characteristic  of  the  circuit  being  trimmed 


the  method  to  use  is  generally  straightforward. 

The  simplified  ideal  transfer  characteristic  of  a  linear  analog 
circuit  (such  as  an  amplifier,  ADC  or  DAC)  is  given  by  the 
equation: 

OP  =  KxIP  (1) 
where  OP  is  output,  IP  is  input,  and  K  is  a  scale  factor  (Note 
that  this  simplification  hides  an  enormous  number  of  issues: 
quantization  error  in  an  ADC;  dimensionality  of  K  if  the  input 
and  output  are  in  different  forms  [e.g.  voltage  in  /  current 
out];  intentional  offsets;  and  many  others.) 

In  a  real  (non-ideal)  circuit,  offset  and  gain  errors,  OS 
(referred  to  the  input)  and  AAf,  respectively,  also  appear  in  the 
equation,  which  becomes: 

OP  =  (K  +  &K)  x  (IP  +  OS)  (2) 

OP  =  (Kx  IP)  +  [(K  x  OS)  +  (AKx  IP)  +  (AK  x  OS)]  (3) 
Equations  (2)  and  (3)  are  incomplete  in  that  they  assume  only 
one  offset — at  the  input — but  this  is  the  most-common  case. 
Systems  with  separate  input  and  output  offsets  will  be  consid- 
ered later. 

From  (3)  we  see  that  it  not  possible  to  trim  gain  directly  when 
an  unknown  offset  is  present.  Offset  must  be  trimmed  first. 
With  IP  set  at  0,  the  offset  trim  is  adjusted  until  OP  is  also  0. 
Gain  may  then  be  trimmed:  with  an  input  near  to  full  scale 
(FS),  the  gain  trim  is  adjusted  to  make  the  output  obey 
equation  (1). 

Q:  But  what  about  bipolar  ADCs  and  DACs? 
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A:  Many  ADCs  and  DACs  may  be  switched  between  unipolar 
and  bipolar  operation;  such  devices,  wherever  possible,  should 
have  their  offset  and  gain  trimmed  in  the  unipolar  mode. 
Where  it  is  not  possible,  or  where  the  converter  is  to  operate 
only  in  the  bipolar  mode,  other  considerations  apply. 

A  bipolar  converter  may  be  considered  as  a  unipolar  converter 
with  a  large  offset  (to  be  precise,  an  offset  of  1  MSB— one-half 
of  full-scale  range).  Depending  on  the  architecture  used,  this 
bipolar  offset  (BOS)  may  or  may  not  be  affected  by  the  gain 
trim.  If  it  is  so  affected,  equation  (1)  becomes: 

OP  =  K  x  (IP  -  BOS)  (4) 
In  this  case  offset  is  trimmed  at  analog  zero,  after  which  gain  is 
trimmed  near  FS— positive  or  negative,  but  usually  positive. 
This  is  normally  the  method  used  for  DACs  where  the  bipolar 
offset  is  within  the  DAC. 

If  the  bipolar  offset  is  not  affected  by  the  gain  trim: 

OP  =  Kx  IP-  BOS  (5) 
Here  offset  is  trimmed  at  FS  negative  and  gain  is  trimmed  at 
(or  very  near  to— see  below)  FS  positive.  This  method  is  used 
for  most  ADCs  and  for  DACs  where  bipolar  offset  is  obtained 
by  the  use  of  op  amps  and  resistors  external  to  the  DAC. 

Naturally,  the  method  suggested  on  the  data  sheet  should 
always  be  followed,  but  where  a  data  sheet  is  unobtainable,  in 
general,  offset  should  be  trimmed  at  analog  zero  for  DACs  and 
FS  negative  for  ADCs— and  near  FS  positive  for  both. 

Q:  Why  do  you  keep  saying  "near"  to  full  scale? 

A:  Amplifiers  and  DACs  may  be  trimmed  at  zero  and  full  scale. 
In  the  case  of  a  DAC,  all-l's— the  largest  digital  input  possi- 
ble—should produce  an  output  1  LSB  below  "full  scale," 
where  "full  scale"  is  considered  as  some  constant  times  the 
reference;  this  follows  since  the  output  of  a  DAC  is  the  nor- 
malized product  of  the  reference  and  the  digital  input. 

ADCs  are  not  trimmed  at  zero  and  FS.  The  output  of  an  ideal 
ADC  is  quantized,  and  the  first  output  transition  (from 
00  ...  00  to  00  ...  01)  takes  place  1/2  LSB  above  the  nominal 
value  of  all  0's.  Thereafter  transitions  take  place  every  1-LSB 
increase  in  analog  input  until  the  final  transition  takes  place  1 
1/2  LSB  below  FS.  A  non-ideal  ADC  is  trimmed  by  setting  its 
input  to  the  nominal  value  of  a  desired  transition  and  then 
adjusting  until  the  ADC  output  flickers  between  the  two  val- 
ues equally. 

The  offset  of  an  ADC  is  therefore  trimmed  with  an  input 
corresponding  to  the  first  transition  (i.e.,  1/2  LSB  above  zero 
or  above  FS  negative— which  is  "near"  zero  or  "near"  FS 
negative);  and  the  gain  is  then  trimmed  at  the  last  transition 
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(i.e.  1  1/2  LSB  below  FS  positive— which  is  "near"  FS  posi- 
tive). This  procedure  results  in  an  interaction  between  the 
gain  and  offset  errors  during  offset  trim  but  it  should  be  too 
slight  to  be  significant. 

Q:  Are  there  any  other  anomalies  resulting  in  a  need  to  trim  "near", 
rather  than  at  full  scale? 

A:  Synchronous  voltage-to-frequency  converters  (SVFCs)  are  lia- 
ble to  injection  locking  phenomena  when  their  output  fre- 
quency is  harmonically  related  to  their  clock  frequency,  i.e., 
when  their  output  is  very  close  to  1/2,  1/3  or  1/4  of  clock 
frequency.  FS  for  an  SVFC  is  1/2  clock  frequency.  The  pres- 
ence of  a  trim  tool  can  exacerbate  the  problem.  It  is  therefore 
advisable  to  trim  the  gain  of  an  SVFC  at  around  95%  of  FS. 

Q:  What  about  circuits  requiring  both  "input"  and  "output"  offset 
trim? 

A:  Circuits  such  as  instrumentation  and  isolation  amplifiers  often 
have  two  stages  of  dc  gain,  and  the  gain  of  the  input  stages  can 
be  variable.  Thus  a  two  stage  amplifier,  with  an  input  offset, 
IOS,  an  output  offset,  OOS,  a  first  stage  gain  of  K,  and  a 
unity-gain  output  stage,  has  (for  zero  input)  an  output,  OP, 
of: 

OP  =  OOS  +  K  x  IOS  (6) 
From  (6)  it  is  evident  that  if  the  gain  is  constant  we  need  only 
adjust  either  IOS  or  OOS  to  null  the  total  offset  (although  if 
the  input  uses  a  long-tailed  pair  of  bipolar  transistors  we  will 
get  a  better  offset  temperature  coefficient  if  we  trim  both— for 
FET  long-tailed  pairs  this  is  not  necessarily  the  case).  If  the 
first  stage  gain  is  to  be  varied,  both  offsets  must  be  trimmed. 

This  is  done  by  an  iterative  procedure.  With  zero  input,  and 
gain  set  to  maximum,  the  input  offset  is  adjusted  until  the 
output  is  also  zero.  The  gain  is  then  reduced  to  its  minimum 
value  and  the  output  offset  adjusted  until  the  output  is  zero 
again.  The  two  steps  are  repeated  until  no  further  adjustment 
is  necessary.  Gain  trimming  should  not  be  done  until  both 
IOS  and  OOS  are  nulled;  the  actual  values  of  the  high  and  low 
gains  used  in  offset  trim  are  unimportant. 

Q:  What  circuitry  should  I  use  for  gain  and  offset  trims? 

A:  Many  amplifiers  (and  a  few  converters)  have  terminals  for 
trimming  gain  and  offset.  Many  more  do  not. 

Offset  trim  is  normally  performed  with  a  potentiometer  con- 
nected between  two  assigned  terminals,  and  its  wiper  is  con- 
nected (sometimes  via  a  resistor)  to  one  of  the  supplies.  The 
correct  connections  and  component  values  will  be  given  on  the 
device  data  sheet.  One  of  the  commonest  differences  between 
op-amps  is  the  value  of  offset  correction  potentiometer  and 
which  supply  it  should  be  connected  to. 

Where  separate  terminals  are  not  provided  for  offset  trim,  an 
offset-adjusting  constant  can  usually  be  added  to  the  input 
signal.  Two  basic  possibilities  are  shown  in  Figures  la  and  lb. 
Where  the  correction  is  being  made  to  a  system  where  a 
differential  input  op  amp  is  used  as  an  inverter  (the  common- 
est case)  the  method  of  la  is  best  to  correct  for  device  offsets- 
— but  not  system  offsets.  In  the  single-ended  connection, 
method  lb  will  work  for  system  offsets  but  should  be  avoided 
where  possible  for  small  device  offsets,  because  it  often 
requires  a  very  large  value  of  summing  resistance,  compared 
to  the  signal-input  resistances,  in  order  to  (i)  avoid  loading  the 


a.  Voltage  applied  to       b.  Current  summed 
non-inverting  input.         at  inverting  input. 
Figure  1.  Two  connections  for  offset  adjustment, 
summing  point  excessively,  (ii)  scale  the  correction  voltage 
properly  and  produce  enough  attenuation  to  minimize  the 
effects  of  differential  supply-voltage  drifts.  It  is  often  helpful 
to  use  resistances  between  the  supplies  and  the  potentiometer 
to  increase  trim  resolution  and  reduce  dissipation. 

Where  gain  trim  is  provided  for  in  a  circuit,  it  will  generally 
consist  of  a  variable  resistor.  Details  of  its  value  and  connec- 
tion will  appear  on  the  data  sheet  of  the  device.  Where  gain 
trim  is  not  required,  this  resistor  may  be  replaced  by  a  fixed 
resistor  having  half  the  resistance  of  the  maximum  value  of  the 
recommended  trim  potentiometer. 

Where  gain  trim  is  not  provided  it  is  not  always  achievable 
externally  without  an  additional  variable-gain  stage.  For  exam- 
ple, consider  a  DAC  using  a  ladder  network.  If  the  ladder 
network  is  used  in  the  current  mode  (Figure  2a),  the  input 
impedance  at  the  reference  terminal  does  not  vary  with  digital 
code,  and  the  gain  of  the  DAC  may  be  trimmed  with  a  small 
variable  resistor  in  series  with  either  the  reference  input  or  the 
feedback  resistor.  However,  if  the  DAC  is  used  in  the  voltage 
mode  (Fig  2b),  then  the  reference  input  impedance  is  code 
dependent,  and  gain  may  only  be  trimmed  by  varying  the 
reference  voltage— which  is  not  always  possible— or  the  gain 
of  the  buffer  amplifier. 

The  possibility  of  trimming  gain  in  circuits  not  furnished  with 

gain-trim  circuitry,  therefore,  will  depend  on  individual  cases; 

7         .  .      .  .  jut  - 

each  must  be  assessed  on  its  own  merits. 


a.  CMOS  DAC  connected  for  current  steering.  Input  imped- 
ance is  constant. 


■ 


b.  The  same  DAC  connected  for  voltage  output. 
Figure  2.  Comparing  basic  DAC  circuits. 
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High-Speed  Comparators  Provide  Many  Useful  Circuit  Functions 
When  Used  Correctly 


AN-352 
APPLICATION  NOTE 


by  John 

Question:  Why  can't  I  just  use  a  standard  op  amp  in  a  high-gain  or 
open-loop  configuration  as  a  voltage  comparator? 
You  can— if  you  are  willing  to  accept  response  times  in  the  tens  of 
microseconds.  Indeed,  if  in  addition  you  require  low  bias- 
currents,  high-precision  and  low  offset  voltages,  then  an  op  amp 
might  be  a  better  choice  than  most  standard  voltage  comparators. 
But  since  most  op  amps  have  internal  phase/frequency  compensa- 
tion for  stability  with  feedback,  it's  difficult  to  get  them  to 
respond  in  nanoseconds.  On  the  other  hand,  a  low-cost  popular 
comparator,  the  LM311,  has  a  response  time  of  200  ns. 
Also  the  output  of  an  operational  amplifier  is  not  readily  matched 
to  standard  logic  levels.  Without  external  clamping  or  level- 
shifting,  an  op  amp  operating  as  a  comparator  will  swing  to  within 
a  few  volts  of  the  positive  and  negative  supplies,  which  is  incom- 
patible with  standard  TTL  or  CMOS  logic  levels. 
My  comparator  oscillates  uncontrollably.  Why  does  this  happen? 
Examine  the  power-supply  bypassing.  Even  a  few  inches  of  PC 
trace  on  the  supply  lines  can  add  unacceptable  dc  resistance  and 
inductance.  As  a  result,  transient  currents  while  the  output  is 
switching  may  cause  supply-voltage  fluctuations,  which  are  fed 
back  to  the  input  through  the  ground  and  supply  lines.  Install 
low-loss  capacitors  (O.IllF  ceramic  capacitors)  as  close  as  possible 
to  the  supply  pins  of  the  comparator  to  serve  as  a  low-impedance 
reservoir  of  energy  during  high-speed  switching.1 
I've  installed  bypass  capacitors,  but  I  still  can't  keep  my  high-speed 
comparator  from  oscillating.  Now  what's  the  problem? 
It  could  be  the  comparator's  ground  connection.  Make  sure  that 
the  ground  lead  is  as  short  as  possible  and  connected  to  a  low- 
impedance  ground  point  to  minimize  coupling  through  lead 
inductance.  Use  a  ground  plane  if  possible  and  avoid  sockets. 
Another  cause  of  the  oscillation  may  be  a  high  source  impedance 
and  stray  capacitance  to  the  input.  Even  a  few  thousand  ohms  of 
source  impedance  and  picofarads  of  stray  capacitance  can  cause 
unruly  oscillations.  Keep  leads  short,  including  the  ground  clip  of 
your  scope  probe.  For  best  measurement  results  use  the  shortest 
possible  ground  lead  to  minimize  its  inductance  (<!"). 
With  a  slowly  moving  input  signal,  my  comparator  seems  to  "chatter" 
as  it  passes  through  the  transition  voltage.  Why  can't  I  obtain  a  single 
clean  transition  from  the  device? 

A  comparator's  high  gain  and  wide  bandwidth  are  typically  the 
source  of  this  problem.  Any  noise  is  amplified,  and  as  the  signal 
passes  through  the  transition  region,  the  noise  can  cause  a  fast- 
responding  amplifier's  output  to  bounce  back  and  forth.  Also, 
since  the  device's  sensitivity  (i.e.,  gain)  is  higher  during  a  transi- 
tion, the  tendency  to  oscillate  due  to  feedback  increases.  If 
possible,  filter  the  signal  to  minimize  noise  accompanying  it. 
'A  useful  discussion  of  comparator  foibles  can  be  found  in  Troubleshooting 

Techniques  Quash  Spurious  Oscillations,  by  Bob  Pease,  EDS',  September  14, 

1989,  pp.  152-6 
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Then  try  using  hysteresis  which,  like  backlash  in  gear  trains, 

requires  the  input  to  change  by  a  certain  amount  before  a  reversal 

occurs.  For  example,  after  a  high-to-low  transition  on  the  AD790, 

its  built-in  hysteresis  requires  the  input  voltage  (positive  input)  to 

increase  by  500  u.V  to  produce  a  low-to-high  transition. 

//  my  comparator  does  not  have  internal  hysteresis,  can  I  add  it 

externally? 

Yes,  with  external  positive  feedback.  This  is  done  by  feeding  a 
small  fraction  of  the  output  of  the  comparator  back  to  the  positive 
input.  This  simple  technique  is  shown  in  Figure  1.  The  hysteresis 
voltage  from  the  lower  transition  point  to  the  upper  transition 
point  will  depend  on  the  value  of  the  feedback  resistor,  RF,  the 
source  resistance,  Rs,  low  output  level,  Vw,  and  high  output 
level,  Vhigh.  The  low  and  high  transition  points  are  set  by: 
R  R 
V<°°  x  Rs  +  RF  ^        x  Rs  +  Rf 


COMPARATOR 
OUTPUT 
VOLTAGE 


UTP 
I 


INPUT  VOLTAGE 


Figure  1.  Applying  external  hysteresis  to  a  comparator. 
Figure  2  shows  how  adding  external  hysteresis  can  "clean  up"  a 
comparator's  response.  Figure  2a  shows  the  response  of  a  compar- 
ator with  bipolar  output  swing  without  hysteresis.  As  the 
triangular-wave  input  (trace  A)  passes  through  the  transition  point 
(ground),  the  device  oscillates  vigorously  (and  couples  a  portion  of 
the  oscillation  into  ground  and  the  signal-source).  Figure  2b 
depicts  the  response  of  the  same  comparator  with  5  mV  of  exter- 
nal hysteresis  applied;  it  shows  a  much  cleaner  transition. 


±5V 

COMPARATOR 
OUTPUT 


MHz  IV  pk-pk 
TRIWAVE 


±5V 

COMPARATOR 
OUTPUT 


14Hj  IV  pk-pk 
TRIWAVE 


5  mV  external  hysteresis 
Figure  2.  Hysteresis  helps  clean  up  comparator  response. 
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A  problem  encountered  with  external  hysteresis  is  that  output 
voltage  depends  on  supply  voltage  and  loading.  This  means  the 
hysteresis  voltage  can  vary  from  application  to  application;  though 
this  affects  resolution,  it  need  not  be  a  serious  problem,  since  the 
hysteresis  is  usually  a  very  small  fraction  of  the  range  and  can 

what  one 
:lp  confi- 
dence in  the  safety  margin.  Don't  use  wirewound  resistors  for 
feedback;  their  inductance  can  make  matters  worse. 
What's  the  difference  between  propagation  delay  and  prop-delay  dis- 
persion? Which  of  the  two  specifications  is  of  most  concern? 
Propagation  delay  is  the  time  from  when  the  input  signal  crosses 
the  transition  point  to  when  the  output  of  the  comparator  actually 
switches.  Propagation-delay  dispersion  is  the  variation  in  prop 
delay  as  a  function  of  overdrive  level.  If  you're  using  a  comparator 
in  pin-drive  electronics  in  an  automatic  test  system,  then  prop- 
delay  dispersion  will  determine  the  maximum  edge  resolution.  In 
contrast,  propagation  delay  can  be  considered  as  a  fixed  time 
offset  and  therefore  compensated  for  by  other  techniques. 
/  have  a  +5-volt  system  and  don't  want  to  add  an  additional  supply 
voltage;  can  I  use  my  comparator  with  a  single  supply? 
Yes,  but  to  establish  the  threshold  use  an  adequately  bypassed 
stable  reference  source  well  within  the  common-mode  range  of  the 
device.  The  signal  level  is  also  to  be  referenced  to  this  source. 
/  sometimes  see  unexpected  behavior  in  my  comparator.  What  could  be 
the  cause  of  this  problem? 

Examine  the  common-mode  range  of  the  input  signal.  Unlike 
operational  amplifiers,  that  usually  operate  with  the  input  voltages 
at  the  same  level,  comparators  typically  see  a  large  differential 
voltage  swings  at  their  inputs.  If  the  inputs  exceed  the  device's 
specified  common-mode  range  (even  though  within  the  specified 
signal  range),  the  comparator  may  respond  erroneously.  For 
proper  operation,  ensure  that  both  input  signals  do  not  exceed  the 
common-mode  range  of  the  specific  comparator.  For  example,  the 
AD790  has  a  ±VS  differential  input  range,  but  its  common-mode 
range  is  from  -Vs  to  2  volts  below  +VS 


Can  you  suggest  a  circuit  that  performs  autozeroing  when  the  compar- 
ator is  off-line  to  minimize  drift? 

Try  the  circuit  shown  in  Figures  3  and  4.  In  the  Calibrate  mode, 
the  input  is  disconnected  and  the  positive  input  of  the  comparator 
is  switched  to  ground.  The  comparator  is  connected  in  a  loop  with 
a  pair  of  low-voltage  sources  of  opposing  polarity  charging  a 


capacitor  in  response  to  the  comparator's  output  state. 
If  the  comparator's  minus  input  terminal  is  above  ground,  then 
the  comparator  output  will  be  low,  the  1-p.F  capacitor  will  be 
connected  to  the  negative  voltage  (-365  mV)  and  the  voltage  from 
the  buffer  amplifier  will  ramp  down  until  it  is  below  the  plus 
input  (ground)— plus  hysteresis  and  any  offsets— at  which  point 
the  comparator  switches.  If  it  is  below  ground,  the  comparator's 
output  will  be  high,  the  capacitor  will  be  connected  to  the  positive 
voltage  (+365  mV),  the  output  from  the  buffer  amplifier  ramps 
up.  In  the  final  state,  each  time  the  comparator  switches  (when 
the  ramped  change  exceeds  the  hysteresis  voltage),  the  polarity  of 
the  current  is  reversed;  thus  the  capacitor  voltage  averages  out  the 
offsets  of  the  buffer  and  comparator. 

At  the  end  of  the  Calibrate  cycle,  the  JFET  switch  is  opened,  with 
the  capacitor  charged  to  a  voltage  equal  to  the  offsets  of  the 
comparator  and  buffer  ±  the  hysteresis  voltage.  At  the  same  time, 
the  Calibrate  signal  goes  low,  disabling  the  feedback  to  the  polar- 
ity switch  and  connecting  the  input  signal  to  the  comparator. 
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Figure  4.  Comparator  output,  buffer  output,  and  comparator 
input. 


Figure  3.  Autozeroed  comparator  integrates  out  offsets  during  calibration  cycle. 
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Ask  the  Applications  Engineer -9 


by  James  Bryant 


VARIOUS  TOPICS 

by  James  Bryant 

Q.  Tell  me  something  about  supply  decoupling. 

A.  All  precision  analog  integrated  circuits,  even  low-frequency 
ones,  contain  transistors  having  cutoff  frequencies  of  hun- 
dreds of  MHz;  their  supplies  must  therefore  be  decoupled  to 
the  ground  return  at  high  frequency— as  close  to  the  IC  as 
feasible  to  prevent  possible  instability  at  very  high  frequen- 
cies. The  capacitors  used  for  such  decoupling  must  have  low 
self-inductance,  and  their  leads  should  be  as  short  as  possible 
(surface-mounted  chip  ceramic  capacitors  of  10-  to  100  nF  are 
ideal,  but  leaded  chip  ceramics  are  generally  quite  effective  if 
the  lead  length  is  kept  to  less  than  2  mm. 


IDEAL  HF  DECOUPLING  HAS 

1  LOW  INDUCTANCE  CAPACITOR  (MONOLITHIC  CERAMIC) 

2.  MOUNTED  VERT  CLOSE  TO  THE  IC 

3.  WITH  SHORT  LEADS 

4.  AND  SHORT.  WIDE  PC  TRACKS 

IT  MAY  BE  SHUNTED  WITH  A  TANTALUM  BEAD  El 
TO  PROVIDE  GOOD  LF  DECOUPLING  AS  WELL. 


THIS  SORT  OF  THING  IS  USELESS! 


Low-frequency  decoupling  is  also  important,  since  the  PSR 
(power-supply  rejection)  is  normally  specified  at  dc  and  will 
deteriorate  appreciably  with  increasing  power-supply  ripple 
frequencies.  In  some  high-gain  applications,  feedback  through 
the  common  power-supply  impedance  can  lead  to  low- 
frequency  instability  ("motorboating").  However,  low- 
frequency  decoupling  at  each  IC  is  not  often  necessary. 

Supply  decoupling  does  more  than  prevent  instability.  An 
op-amp  is  a  four-terminal  device  (at  least),  since  there  must  be 
a  return  path  for  both  input  signals  and  the  output  circuit.  It  is 
customary  to  consider  the  common  terminal  of  both  op-amp 

fThis  issue  is  developed  in  detail  in  the  free  application  note,  "An  IC  amplifier 
user's  guide  to  decoupling,  grounding,  and  making  things  go  right  for  a 
•  by  Paul  Brokaw. 


supplies  (for  op-amps  using  ±  supplies)  as  the  output  signal- 
return  path,  but  in  fact,  one  of  the  supplies  will  be  the  de  facto 
return  path  at  higher  frequencies,  and  the  decoupling  of  the 
amplifier's  supply  terminal  for  this  supply  must  take  into 
consideration  both  the  necessity  of  normal  high-frequency 
decoupling  and  the  routing  of  the  output  ground. t 

Q.  In  "Ask  the  Application  Engineer,"  you're  always  describing 
non-ideal  behavior  of  integrated  circuits.  It  must  be  a  relief  to  use 
a  simple  component  like  a  resistor  and  know  that  you  have  a 
near-ideal  component. 

A.  I  only  wish  that  a  resistor  was  an  ideal  component,  and  that 
that  little  cylinder  with  wire  ends  behaved  just  like  a  pure 
resistance.  Real  resistors  also  contain  imaginary  resistance 
components— in  other  words  they're  reactive.  Most  resistors 
have  a  small  capacitance,  typically  1-3  pF,  in  parallel  with 
their  resistance,  although  some  types  of  film  resistors,  which 
have  a  spiral  groove  cut  in  their  resistive  film,  may  be  induc- 
tive, with  inductances  of  a  few  tens  or  hundreds  of  nH. 

RESISTORS  ARE  REACTIVE: 


Of  course,  wirewound  resistors  are  generally  inductive  rather 
than  capacitive  (at  least,  at  the  lower  frequencies).  After  all, 
they  consist  of  a  coil  of  wire.  It  is  commonplace  for  wirewound 
resistors  to  have  inductances  of  several  microhenrys  or  tens  of 
microhenrys,  and  even  so-called  "non-inductive"  wirewound 
resistors,  which  consist  of  N/2  turns  wound  clockwise  and  N/2 
turns  wound  anticlockwise,  so  that  the  inductances  of  the  two 
half  windings  cancel  out,  have  a  residual  inductance  of  a 
microhenry  or  even  more.  (For  higher-resistance-value  types, 
above  10  kil  or  so,  the  residual  reactance  may  be  capacitive 
rather  than  inductive,  and  the  capacitance  will  be  higher— by 
up  to  10  pF— than  a  standard  film  or  composition  resistor.) 
These  reactances  must  be  considered  carefully  when  designing 
high  frequency  circuits  which  contain  resistors. 
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Q.  But  many  of  ike  circuits  you  describe  are  for  making  precision 
measurements  at  DC  or  very  low  frequencies.  Stray  inductance  and 
capacitance  don't  matter  in  such  applications,  do  they? 

A.  They  actually  do.  Since  transistors  (either  discrete  or  within 
ICs)  have  very  wide  bandwidths,  if  such  circuits  are  termi- 
nated with  reactive  loads,  they  may  sometimes  oscillate  at 
frequencies  of  hundreds  or  thousands  of  MHz;  bias  shifts  and 
rectification  associated  with  the  oscillations  can  have  devastat- 
ing effects  on  low-frequency  precision  and  stability. 
Even  worse,  this  oscillation  may  not  appear  on  an  oscilloscope, 
either  because  the  oscilloscope  bandwidth  is  too  low  for  such  a 
high  frequency  to  be  displayed,  or  because  the  scope  probe's 
capacitance  is  sufficient  to  stop  the  oscillation.  It  is  always 
wise  to  use  a  wideband  (LF  to  1.5  GHz  or  more)  spectrum 
analyzer  to  verify  the  absence  of  parasitic  oscillations  in  a 
system.  Such  checks  should  be  made  while  the  input  is  varied 
throughout  its  whole  dynamic  range,  since  parasitic  oscilla- 
tions may  sometimes  occur  over  a  narrow  range  of  inputs. 

Q.  Are  there  any  problems  with  the  resistance  of  resistors? 

A.  The  resistance  of  a  resistor  is  not  fixed  but  varies  with  tem- 
perature. The  temperature  coefficient  (TC)  varies  from  a  few 
parts  per  million  per  degree  Celsius  (ppm/°C)  to  thousands  of 
ppm/°C.  The  resistors  with  the  best  stability  are  wirewound  or 
metal  film  types,  and  the  worst  are  carbon  composition. 


Large  temperature  coefficients  are  sometimes  useful  (an  ear- 
lier "Ask  the  Applications  Engineer"*  mentioned  how  a 
+  3,500-ppm/°C  resistor  can  be  used  to  compensate  for  the 
kTlq  term  in  the  equation  for  the  behavior  of  a  junction 
diode).  But  in  general,  the  variation  of  resistance  with  temper- 
ature is  likely  to  be  a  source  of  error  in  precision  circuits. 
If  the  accuracy  of  a  circuit  depends  on  the  matching  of  two 
resistors  having  different  TCs,  then,  no  matter  how  well- 
matched  at  one  temperature,  they  will  not  match  at  another; 
and  even  if  the  TCs  of  two  resistors  match,  there  is  no  guar- 
antee that  they  will  remain  at  the  same  temperature.  Self- 
heating  by  internal  dissipation,  or  external  heating  from  a 
warm  part  of  the  system,  will  result  in  a  mismatch  of  temper- 
ature, hence  resistance.  Even  with  high  quality  wirewound  or 
metal-film  resistors  these  effects  can  result  in  matching  errors 
of  several  hundred  (or  even  thousand)  ppm.  The  obvious 
solution  is  to  use  resistors  which  are  fabricated  in  close  prox- 
imity on  the  same  substrate  whenever  good  matching  is  nec- 
essary for  system  accuracy.  The  substrate  may  be  the  silicon  of 
a  precision  analog  IC  or  a  glass  or  metal  thin-film  substrate.  In 
either  case,  the  resistors  will  be  well-matched  during  manufac- 
ture, will  have  well-matched  TCs,  and  will  be  at  nearly  the 
same  temperature  because  of  their  proximity. 


■ 

■ 
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Ask  the  Applications  Engineer  - 10 

by  James  Bryant 


Q.  In  the  last  issue  of  Analog  Dialogue  you  told  us  about  some  of  the 
problems  of  a  simple  resistor.  [More  will  appear  in  a  future 
issue.]  Surely  there  must  be  some  component  that  behaves  exactly 
as  I  expected  it  to.  How  about  a  piece  of  wire? 

A.  Not  even  that.  You  presumably  expect  your  piece  of  wire  or 
length  of  PC  track  to  act  as  a  conductor.  But  room- 
temperature  superconductors  have  not  yet  been  invented,  so 
any  piece  of  metal  will  act  as  a  low-valued  resistor  (with 
capacitance  and  inductance,  too)  and  its  effect  on  your  circuit 
must  be  considered. 

Q.  Surely  the  resistance  of  a  short 
circuits  is  unimportant? 

A.  Consider  a  16-bit  a/d  converter  with  5-kfi  input  impedance. 
Suppose  that  the  signal  conductor  to  its  input  consists  of 
10  cm  of  typical  PC  track-0.25  mm  (0.010")  wide  and 
0.038  mm  (0.0015")  thick.  This  will  have  a  resistance  of  ap- 
proximately 0.18  fl  at  room  temperature,  which  is  slightly 
<2  x  2~16  of  5  kfi;  this  introduces  a  gain  error  of  2  LSB  at 
full  scale. 

OHM'S  LAW  PREDICTS  1  LSB  DROP  IN  5cm  OF  STANDARD 
PCB  TRACK  -  BUT  WHO  BELIEVES  OHM'S  LAW? 
-  0.181J 
10cm 


^1  S.  ^  >  > 


FOR  loi  COPPER 


p  =  1.724*  1 
and 


£.  =  0.45mLra 


|£j        =  (OHM&SOUARE)  (#  OF  SQUARES) 

One  might  argue  that  the  problem  would  be  reduced  if  PC 
tracks  were  made  wider— and  indeed,  in  analog  circuitry  it's 
almost  always  better  to  use  wide  tracks;  but  many  layout 
drafters  (and  PC  Design  programs)  prefer  minimum-width 
tracks  for  signal  conductor.  In  any  case  it's  especially  impor- 
tant to  calculate  the  track  resistance  and  its  effect  in  every 
location  where  it  might  cause  a  problem. 

Q.  Doesn't  the  capacitance  of  the  extra  width  of  track  to  metal  on  the 
board's  underside  cause  a  problem? 

A.  Rarely.  Although  the  capacitance  of  PC  tracks  is  important 
(even  in  circuits  designed  for  low  frequencies,  since  LF  cir- 
cuits can  oscillate  parasitically  at  HF)  and  should  always  be 
evaluated,  the  extra  capacitance  of  a  wider  track  is  unlikely  to 
cause  a  problem  if  none  existed  previously.  If  it  is  a  problem, 
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small  areas  of  ground  plane  can  be  removed  to  reduce  ground 
capacitance. 


— d  ^ 

A  -  plate  area  in  mm2 
d  =  plate  separation  in  mm 


dielectric  constant  relative  to  air 


•  Commonest  type  ot  PCB  uses  1 .5mm 
glass-fiber  epoxy  material  with  Er  =  4.7 


•  Capacity  of  PC  track  over  ground  plane 
is  roughly  2.8pF/cm2 


Q.  Hold  it!  What's  a  ground  plane? 

A.  If  one  entire  side  of  a  PCB  (or  one  entire  layer,  in  the  case  of 
a  multi-layer  PCB)  consists  of  continuous  copper  which  is 
used  as  ground  this  is  known  as  a  "ground  plane."  It  will  have 
the  least  possible  resistance  and  inductance  of  any  ground 
configuration.  If  a  system  uses  a  ground  plane,  it  is  less  likely 
to  suffer  ground  noise  problems. 

Q.  I  have  heard  that  ground  planes  are  hard  to  manufacture. 

A.  Twenty  years  ago  there  was  some  truth  in  this.  Today  im- 
provements in  PC  adhesives,  solder  resists  and  wave-soldering 
techniques  make  the  manufacture  of  ground-plane  PCB's  a 
routine  operation. 

You  say  that  a  system  using  a  ground  plane  is  "less  likely"  to  suffer 
ground  noise  problems.  What  remaining  ground  noise  problems 
does  it  not  cure? 

The  basic  circuit  of  a  system  having  ground  noise  is  shown  in 
the  diagram.  Even  with  a  ground  plane  the  resistance  and 
inductance  will  not  be  zero— and  if  the  external  current  source 
is  strong  enough  it  will  corrupt  the  precision  signal. 


Q 


VOLTAGE  DUE  TO  SIGNAL  CURRENT 
AND  (PERHAPS)  EXTERNAL  CURRENT  - 
FLOWING  IN  GROUND  IMPEDANCE 


-VvV 


.  EXTERNAL 
]  CURRENT 
SOURCE 


The  problem  is  minimized  by  arranging  the  PCB  so  that  high 
currents  do  not  flow  in  regions  where  ground  voltages  can 
corrupt  precision  signals.  Sometimes  a  break  or  slot  in  a 
ground  plane  can  divert  a  large  ground  current  from  a  sensi- 
tive area— but  breaks  in  a  ground  plane  can  also  reroute 
signals  into  sensitive  areas,  so  the  technique  must  be  used  with 
care. 
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Q.  How  do  1  know  what  voltage  drops  are  present  in  a  ground  plane? 

A.  They  should  generally  be  measured;  however,  it  is  sometimes 
possible  to  calculate  them  from  the  resistance  of  the  ground 
plane  material  (standard  1  oz  copper  has  resistance  of 
0.45  mil/square)  and  the  length  through  which  currents  flow, 
but  the  calculation  can  be  complicated.  At  DC  and  low  fre- 
quencies (dc-50  kHz),  voltage  drops  can  be  measured  with  an 
instrumentation  amplifier  such  as  the  AMP-02  or  the  AD620.* 


The  amplifier  is  set  to  a  gain  of  1,000  and  connected  to  an 
oscilloscope  with  a  gain  of  5  mV/div.  The  amplifier  may  be 
powered  from  the  same  supply  as  the  circuit  being  tested— or 
from  its  own  supply  — but  the  grounds  of  the  amplifier,  its 
supply  if  separate,  and  the  oscilloscope  must  be  connected  to 
the  power  ground  of  the  circuit  under  test  at  the  power  supply. 

The  voltage  between  any  two  points  on  the  ground  plane  may 
then  be  measured  by  applying  the  probes  to  those  points.  The 
combination  of  the  amplifier  gain  and  oscilloscope  sensitivity 
give  a  measurement  sensitivity  of  5  uV/div.  Amplifier  noise 
will  swell  the  oscilloscope  trace  to  a  band  about  3  llV  wide  but 
it  is  still  possible  to  make  measurements  with  about  1-llV 
resolution— sufficient  to  identify  most  low-frequency  ground 
noise  problems;  and  identification  is  80%  of  a  cure. 

Q.  Are  there  any  cautions  about  performing  this  test? 

A.  Any  alternating  magnetic  fields  which  thread  the  probe  leads 
will  induce  voltages  in  them.  This  can  be  tested  by  short- 
circuiting  the  probes  together  (and  resistively  to  ground  to 
provide  a  bias  current  path)  and  observing  the  oscilloscope 
trace;  ac  waveforms  observed  that  result  from  inductive  pick- 
up may  be  minimized  by  repositioning  the  leads  or  taking 
steps  to  eliminate  the  magnetic  field.  It  is  also  essential  to 
ensure  that  the  ground  of  the  amplifier  is  connected  to  the 
system  ground;  without  this  connection  the  amplifier,  with  no 
return  path  for  bias  current  cannot  work;  grounding  also 
ensures  that  this  connection  does  not  disturb  the  current  dis- 
tribution that  is  being  measured. 

Q.  What  about  measuring  HF  ground  noise? 

A.  It  is  hard  to  make  a  suitable  instrumentation  amplifier  with 
wide  bandwidth,  so  at  HF  and  VHF  a  passive  probe  is  more 
suitable.  This  consists  of  a  ferrite  toroid  (6-8  mm  OD)  wound 
with  two  coils  of  6-10  turns  each.  One  coil  is  connected  to  the 
input  of  a  spectrum  analyzer,  the  other  to  the  probes,  to  make 
a  high-frequency  isolating  transformer. 

The  test  is  similar  to  the  LF  one  but  the  spectrum  analyzer 
displays  noise  as  an  amplitude-frequency  plot.  While  this  dif- 
fers from  time-domain  information,  sources  of  noise  may  be 
easier  to  identify  by  their  frequency  signatures;  in  addition, 
the  use  of  a  spectrum  analyzer  provides  at  least  60  dB  more 
sensitivity  than  is  possible  with  a  broadband  oscilloscope. 

Q.  What  about  the  inductance  of  wires? 

A.  The  inductance  of  wire-  and  PC-track  leads  should  not  be 
overlooked  at  higher  frequencies.  Here  are  some  approxima- 
tions for  calculating  the  inductance  of  straight  wires  and  runs. 
For  example,  1  cm  of  0.25-mm  track  has  an  inductance  of 
10  nH. 


DI 


2R     L,  R  in  mm 


WIRE  INDUCTANCE  =  0.0002L  In  — )  -0.75 hiH 


:  1cm  of  0.5mm  o.d.  wire  has  art  inductance  ol  7.26nH 
(2fl  =  0.5mm.  L  =  1cm) 


*   L   


7'" 


EXAMPLE:  1cm  of  0.25mm  PC  irack  has  an  inductance  of  9.59  nH 
(H  =  0.03Bmm,  W  =  0.25mm.  L  =  1cm) 

But  inductive  reactance  is  generally  much  less  of  a  problem 
than  stray  flux  cutting  inductive  loops  and  inducing  voltages; 
loop  area  must  be  minimized,  since  voltage  is  proportional  to 
it.  In  wired  circuits  this  is  easily  done  using  twisted  pairs. 

REDUCING  LOOP  INDUCTANCE 


1 


In  boards,  leads  and  return  paths  should  be  close  together; 
quite  small  changes  in  layout  will  often  minimize  the  effect. 


In  this  circuit,  mutual  inductance  will  couple  energy  from 
high-level  source  A  into  low-level  circuit  B. 


Reducing  area  and  increasing  separation  will  minirnize  the 
effect. 

Usually,  all  that  is  necessary  is  to  minimize  loop  area  and 
maximize  the  distance  between  potentially  interfering  loops. 
Occasionally  magnetic  shielding  is  required,  but  it  is  expensive 
and  liable  to  mechanical  damage;  avoid  it  whenever  possible. 

REFERENCES 

The  Best  of  Analog  Dialogue  1967-1991.  Norwood  MA:  Analog 
Devices  (1991),  pp.  120-129,  193-195.  Contains  many  additional 
references. 

Mixed-Signal  Design  Seminar  Notes.  Norwood  MA:  Analog  De- 
vices (1991).  Contains  additional  References. 
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Multi  Troubles 
by  James  Bryant 


Q 

A: 


MULTI  TROUBLES 

Q:  My  multiplexed  ADC  system  is  misbehaving  .  .  . 

A:  Before  you  go  any  further,  have  you  grounded  all  unused 
multiplexer  channels? 

No.  But  how  did  you  know? 

Because  the  floating  terminal  is  one  of  the  commonest  causes 
of  problems  in  systems  containing  CMOS  multiplexers.  Un- 
used MUX  inputs  and  outputs  (whether  integrated  into  a 
multiplexed  ADC  or  part  of  a  self-contained  MUX  chip)  can 
pick  up  signals  from  stray  fields  and  inject  them  into  the 
device's  substrate,  turning  on  spurious  substrate  devices. 
Then,  even  when  the  unused  channel  is  turned  off,  the  per- 
formance of  the  on-channel  may  be  badly  degraded  (at  the 
unlikely  extreme,  the  injection  may  turn  on  a  spurious  four- 
layer  device  and  destroy  some  chips). 

Whenever  a  MUX  is  used,  all  its  inputs  and  outputs  must  be 
connected  to  a  potential  between  its  supply  rails.  The  best  way 
to  deal  with  unused  channels  is  to  ground  them,  but  they  may 
be  connected  to  a  more-convenient  potential  within  the  rails. 

TROUBLE  FROM  THE  START 

Q:  To  save  power,  my  ADC  is  powered  up  only  to  make  a  measure- 
ment. The  system  is  very  accurate  in  continuous  operation,  but 
unpredictable  when  power  is  strobed.  Why? 

A:  When  an  ADC's  power  is  switched  on  only  to  perform  a 
conversion,  it  may  misbehave  for  three  reasons:  slow  reference 
turn-on,  random  initial  logic  states,  and  system  latch-up. 

For  various  reasons  — thermal  stabilization,  capacitance  charg- 
ing, slow  starting  of  regenerative  current  mirrors  using  PNP 
transistors  in  band-gap  references—  it  is  not  uncommon  for 
some  voltage  references  to  have  relatively  large  errors  for 
many  milliseconds  after  power-up.  Such  errors  in  an  ADC's 
external  or  internal  reference  during  conversion  lead  to  inac- 
curate results. 


At  turn-on,  a  typical  ADC's  logic  will  be  in  a  random  state;  for 
a  conversion  triggered  at  that  time,  the  ADC  may  not  be  able 
to  perform  correctly.  With  one  conversion  triggered,  the  logic 
should  return  to  its  correct  pre-conversion  state— but  cases 
exist  where  two  conversion  cycles  are  necessary  before  the 
ADC  is  certain  to  perform  a  valid  conversion.  Hence,  a  good 
general  rule  is  to  perform  two  "dummy"  conversions  after 
powerup  before  relying  on  the  results.  (It  is  also  well  to  recall 
that  some  ADCs  react  badly  to  having  a  conversion  triggered 
before  the  previous  conversion  is  complete;  when  this  hap- 
pens, one  or  two  "dummy"  conversions  may  be  needed  to 
return  the  logic  to  a  known  state.) 

If  an  ADC's  external  logic  is  arranged  so  that  the  end  of  the 
ADC  "Busy"  signal  starts  a  delay  which  ends  with  the  start  of 
the  next  conversion,  it  is  important  to  realize  that  if  the 
converter  powers  up  in  the  Busy  state,  the  Busy  signal  may 
remain  latched  up  until  a  conversion  Start  pulse  has  been 
received.  In  this  case,  such  a  system  cannot  self-start.  If  the 
Busy  signal  is  always  present  on  power-up  the  problem  is 
almost  certain  to  be  recognized— and  addressed— during  the 
design  of  the  system;  but  if  the  Busy  signal  is  only  occasionally 
present  on  power-up  the  system  may  latch  unpredictably.  As  a 
rule,  control  signals  to  an  ADC  during  start-up  should  not 
depend  on  the  logical  state  of  Busy. 

ABOUT  LOG  COMPENSATION  RESISTORS 

Q:  Designs  of  logarithmic  circuits,  including  those  using  the  ADS38 
Y[Z/Xf  unit:  (For  example,  Figure  6  from  the  ADS38  Multi- 
function Unit  data  sheetf)  call  for  "kT/q  compensation  resistors. " 
What  are  they  and  where  do  I  get  them? 

A:  The  VBE  difference  across  two  opposed  silicon  junctions,  one 
carrying  a  current,  7,  and  the  other  a  current,  I^p,  is  (kT/q) 
In  (1/Irzp).  Here,  klq  is  the  ratio  of  Boltzmann's  constant  to 
the  charge  on  an  electron  (about  1/11,605  K/V),  and  T  is  the 
absolute  temperature  in  kelvins. 


*Much  useful  information  about  logarithmic  and  other  analog  function  circuits 
can  be  found  in  the  Nonlinear  Circuits  Handbook,  published  by  Analog  Devices 
($5.95),  P.O.Box  9902,  Norwood  MA  02062. 

tSee  also  Analog  Dialogue  19-1  (1985),  pp.  3-6. 

Reprinted  from  Analog  Dialogue  22-2  1988 
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Although  employing  similar  junctions  in  isothermal  pairs 
Over  a  reasonable  range  of  temperatures  near  20°C,  this 
may  be  arranged  by  the  use  of  a  gain-setting  1-kfl  resistor 
having  a  positive  temperature  coefficient  of  approximately 
3,400ppm/°C— and  keeping  it  at  the  same  temperature  as  the 
junctions. 

A  3,500  ppm/°C  resistor  is  available  from  Tel  Laboratories, 
154G  Harvey  Road,  Londonderry,  New  Hampshire  03053 
(603)-625-8994,  Telex:  (710)-220-1844,  designated  Q-81,  and 
from  the  Precision  Resistor  Co.  Inc.,  10601,  75th.  St.,  Largo, 
Florida  33543  [(8 13)-541 -5771  Telex:  821788],  as  the  PT146. 
Analog  Devices  offices  in  most  European  countries  are  aware 
of  local  suppliers  of  these  resistors. 
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Mixed  Signal  Circuit  Techniques 


Introduction 

There  are  considerably  more  problems 
involved  in  the  successful  design  of  Mixed 
Signal  circuitry  than  mere  circuit  design.  If 
we  design  an  electronic  circuit  as  a  diagram, 
whether  we  use  an  old-fashioned  pencil  and 
paper  or,  as  is  the  modern  fashion,  a  com- 
puter and  SPICE  or  some  similar  software, 
we  are  overlooking  one  of  the  most  important 
factors  in  the  design  of  successful  hardware, 
namely  that  what  we  are  designing  is  HARD- 
ware,  and  until  it  has  been  shown  to  work 
successfully  in  fact,  rather  than  in  simula- 
tion, our  design  is  not  complete. 

This  section  of  our  seminar  considers  the 
problems  which  arise  when  reality  reacts  on 
a  design  which  theory  and  modelling  have 
shown  to  be  satisfactory.  What,  in  fact,  has 
happened  is  that  our  model  probably  does 
not  consider  the  effects  of  non-ideal  compo- 
nents and  of  spurious  or  parasitic  compo- 
nents resulting  from  the  circuit  layout  which 
has  been  used.  It  is  not,  perhaps,  too  fanciful 
to  describe  this  as  the  section  of  the  Seminar 
dealing  with  Murphy's  Law. 


MURPHY'S  LAW 

IN  ANY  SET  OF  CIRCUMSTANCES 
THE  WORST  THING  THAT  CAN  HAPPEN  -  WILL 

I   Any  effect  which  you  think  can  be  disregarded, 
can't. 

I    Nature  always  sides  with  the  hidden  flaw. 
Figure  11.1 


Murphy's  Law,  though  frequently  ex- 
pressed humorously,  is  not  entirely  a  joke.  It 
is  a  recognition  of  the  complexity  of  physical 
systems  and  a  warning  against  over-simplifi- 
cation and  is  comparable  with  Einstein's 
warning  that  "Everything  should  be  made  as 
simple  as  possible  -  but  no  simpler".1 

IMPORTANT  COROLLARIES 
TO  MURPHY'S  LAW 

■  After  it  has  worked  successfully  for  two  weeks 
it  will  fail  during  the  first  public  demonstration. 

■  Equipment  blows  to  protect  fuses. 

■  Interchangeable  parts  arent. 

■  Fail-safes  don't. 

Figure  11.2 

This  section  of  the  seminar  discusses  the 
various  physical  effects  which  must  be  con- 
sidered in  the  design  of  the  hardware  of 
mixed  signal  systems.  Often  such  considera- 
tion will  amount  to  a  quick  calculation  to 
demonstrate  that  further  consideration  is  not 
necessary,  but  sometimes  extensive  analysis, 
or  even  actual  experiments,  will  be  neces- 
sary. However,  the  quick  calculation  must 
not  be  omitted,  since  problems  are  rarely 
obvious  and  often  unexpected.  The  effects 
which  must  be  considered  will  include  many 
basic  laws  of  physics. 

BASIC  LAWS  INVOLVED  IN  THE  DESIGN 
OF  MIXED  SIGNAL  CIRCUITRY 

■  Ohm's  Law 

■  Kirchoff's  Law 

■  Faraday's  Laws 

■  Lenz's  Law 


Figure  11.3 
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BIT  SIZES  FOR  10  V  FULLSCALE  CONVERTERS 


RESOLUTION 

1  LSB 

0.5  LSB 

%  FS 

ppm  FS 

dB  FS 

4-bit 

625mV 

313mV 

6.25 

62500 

-24 

6-bit 

156mV 

78mV 

1.56 

15625 

-36 

8-bit 

39mV 

19.5mV 

0.39 

3906 

-48 

10-bit 

9.76mV 

4.88mV 

0.098 

977 

-60 

12-bit 

2.44mV 

1.22mV 

0.024 

244 

-72 

14-bit 

610^V 

305^V 

0.0061 

61 

-84 

16-bit 

153^V 

76^V 

0.0015 

15 

-96 

18-bit 

38,uV 

19^  V 

0.0004 

4 

-108 

20-bit 

9.5^V 

4.8^V 

0.0001 

1 

-120 

22-bit 

2.4fiV 

1.?uV 

0.000024 

0.24 

-132 

24-bit 

0.6/iV 

0.3fiV 

0.000006 

0.06 

-144 

Figure  11.4. 


We  therefore  shall  use  as  a  section  head- 
ing the  major  phenomenon  considered  in  the 
section,  but  in  the  most  general  sense  (for 
example,  under  "Resistance"  we  shall  con- 
sider the  non-ideal  behavior  of  resistors, 
including  noise,  thermo-  electric  and  induc- 
tive effects,  which  are  not  strictly  issues  of 
Ohm's  Law). 

When  considering  the  effects  of  circuit 
conditions  we  are,  of  course,  interested  in 
their  effects  on  the  performance  of  the  sys- 
tem as  a  whole.  Failure  to  allow  for  this  is  at 
the  root  of  many  of  the  problems  which  this 
section  considers.  For  example,  a  16-bit 
system  divides  its  full-scale  (FS)  range  into 
216  or  65536,  which  means  that  1  LSB  in  a  10 
V  FS  system  is  only  153  uV.  If  we  assume 
that  we  can  tolerate  errors  of  no  more  than 
0.5  LSB,  this  calculation  tells  us  that  in  a  16- 
bit  system  with  10  V  FS  we  must  keep  the 
total  error  to  less  than  76  uV,  which  is  ap- 
proximately equal  to  the  thermoelectric 
voltage  in  a  nichrome  wirewound  resistor 
with  copper/nickel  leads  having  about  2°C 
temperature  difference  between  its  ends. 

Binary  logic  circuitry,  on  the  other  hand, 
has  only  two  states,  logic  0  and  logic  1,  and 
noise  immunity  of  hundreds  or  thousands  of 
millivolts.  This  is  why  circuit  designers  who 
have  only  worked  with  digital  circuitry  tend 
to  overlook  the  sources  of  error  which  we  are 
considering  in  this  section  of  the  seminar. 

Figure  11.4  lists  the  sizes  of  0.5  LSB  at 
various  resolutions  (the  values  are  given  for 
10  V  fullscale  since  this  is  a  classical  con- 
verter range  and  where  LSBs  are  given  a  mV 
value  in  this  section  of  the  seminar  a  10  V  FS 
is  assumed  unless  explicitly  stated  otherwise  , 
-  scaling  to  other  values  of  FS  is  a  trivial 
operation).  Every  analog  designer  should  be 
familiar  with  this  table,  since  not  only  does  it 


allow  the  comparison  of  converters  which  are 
specified  in  different  ways  but  it  also  indi- 
cates whether  a  design  is  reasonable  or  not  - 
if  noise  or  system  errors  amount  to  1  mV 
there  is  little  point  in  designing  a  system 
with  more  than  12-bits  resolution. 


Resistance 

Resistance  of  Conductors 

Every  engineer  is  familiar  with  resistors  - 
little  cylinders  with  wire  ends  -  although 
perhaps  fewer  are  aware  of  all  their  idiosyn- 
crasies. Far  too  few  engineers  consider  that 
all  the  wires  and  PC  tracks  with  which  their 
systems  and  circuits  are  assembled  are  also 
resistors. 

At  25°C  the  resistivity  of  pure  copper  is 
1.724E-6  ohm  cm.  The  thickness  of  standard 
(1  ounce)  PCB  foil  is  0.038  mm  (0.0015").  The 
resistance  of  standard  PCB  copper  is  there- 
fore 0.45  milliohms/square,  which  implies  a 
resistance  for  the  0.25  mm  track  frequently 
used  in  computer  designed  digital  circuitry  of 
18  milliohms/cm,  which  is  quite  large.  More- 
over the  temperature  coefficient  of  resistance 
for  copper  is  about  0.4%  /°C  around  room 
temperature,  which  can  be  a  further  incon- 
venience. 

As  an  illustration  of  the  effect  of  PCB 
track  resistance  consider  a  16-bit  ADC  with  a 
5k  ohm  input  resistance  which  has  5  cm  of 
0.25  mm  PCB  track  between  it  and  its  signal 
source.  This  track  has  a  resistance  of  ap- 
proximately 0.09  ohms  and  introduces  a  gain 
error  of  0.09  ohms  /  5000  ohms  (0.0018%) 
which  is  well  over  1  LSB  (0.0015%  for  16 
bits). 
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PRINTED  CIRCUIT  BOARD  TRACK  RESISTANCE 

OHM'S  LAW  PREDICTS  1  LSB  DROP  IN 
5cm  OF  STANDARD  PCB  TRACK- 
BUT  WHO  BELIEVES  ( 


FOR  1  OZ.  COPPER: 
p  »  1 .724  X 10  "*  ntm,  Y  =  0.0038cm 


R  =  0.45  —  m  n, 

-|-  =  NUMBER  OF  "SQUARES" 

R  =  SHEET  RESISTANCE 

FOR  1  SQUARE  (Z  =  X), 
R  =  0.45m^/SQUARE 


Figure  11.5 


Skin  Effect 


This,  of  course,  is  a  DC  effect.  At  high 
frequencies  we  must  also  consider  the  "skin 
effect"  where  inductive  effects  cause  currents 
to  flow  only  in  the  surface  of  conductors.  This 
has  the  effect  of  increasing  the  resistance  of  a 
conductor  at  high  frequencies  (note  that  this 
effect  is  separate  from  the  increase  in  imped- 
ance due  to  the  effects  of  the  self-inductance 
of  conductors  as  frequency  is  increased  -  that 
will  be  dealt  with  later).  Skin  effect  is  quite  a 
complex  phenomenon  and  detailed  calcula- 
tions are  beyond  the  scope  of  this  seminar. 
However  a  good  approximation  for  copper  is 
that  the  skin  depth  in  centimeters  is 

6.6 


Assuming  that  skin  effects  become  impor- 
tant when  the  skin  depth  is  less  than  50%  of 
the  thickness  of  the  PC  foil  this  tells  us  that 
for  normal  0.038  mm  PC  foil  we  must  be 
concerned  about  skin  effects  at  frequencies 
above  approximately  12  MHz. 

Where  skin  effect  is  imj 
tance  per  square  for  copper  is 

2.6  x  10-7         Ohms  per  square, 
(fin  Hz) 


,  (fin  Hz). 


When  calculating  skin  effects  in  PCBs  it  is 
important  to  remember  that  current  flows  in 
both  sides  of  the  PC  foil  (this  is  not  necessar- 
ily the  case  in  microstrip  lines)  so  the  resis- 
tance per  square  of  PC  foil  is  half  the  above 


SKIN  EFFECT 


•   HF  Current  flows  only 
in  thin  s 


TOP 


SKIN  EFFECT 


COPPER  CONDUCTOR 


•  Skin  Depth:  6.61  /fT cm,  f  In  Hz 

•  Skin  Resistance:  2.6  x  10  7  ^(f- ohms  per  square,  f  In  Hz 

•  Since  skin  currents  flow  In  both  sides  of  a  PC  track,  the  value  of 
i  must  take  account  of  this 

Figure  11.6 


MICROSTRIP 
-CONDUCTOR 
(CURRENT  FLOW  NORMAL 
TO  DIAGRAM) 


PC  BOARD 

(DIELECTRIC) 

S  HF  CURRENT  FLOWS  IN  ONE 

SIDE  OF  THE  CONDUCTOR  ONLY 

GROUND  PLANE             A  ■ 

I       REGION  OF  RETURN 

CURRENT  FLOW 

Figure  11.7 
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where  large  signal  currents  flow.  Where  the 
load  impedance  is  constant  and  resistive  it 
can  be  compensated  by  adjusting  the  overall 
system  gain.  In  other  circumstances  it  may 
often  be  removed  by  the  use  of  "Kelvin"  or 
"voltage  sensing"  feedback. 

USE  OF  A  SENSE  CONNECTION 
MOVES  ACCURACY  TO  THE  LOAD 


FEEDBACK  "SENSE"  LEAD 

\ 

ADC 

SIGNAL 
SOURCE 

LONG  RESISTIVE 
SIGNAL  LEAD 

:low 

>  IMPEDANCE 

1 

Figure  11.8 

Separate  force  and  sense  connections  at  a 
load  remove  any  errors  resulting  from  volt- 
age drops  in  the  force  lead,  but,  of  course, 
may  only  be  used  in  systems  where  there  is 
negative  feedback.  It  is  also  impossible  to  use 
such  an  arrangement  to  drive  two  or  more 
loads  with  equal  accuracy  since  feedback 
may  only  be  taken  from  one  point. 

Leakage  in  insulators 

Just  as  conductors  are  improperly  viewed 
as  superconductors,  so  are  insulators  often 
mistakenly  treated  as  perfect  insulators, 


may  De  quite  a  poor  insuiaior.  r  urmermore, 
PCBs  are  anisotropic  -  even  on  a  clean  PCB 
different  parts  of  the  surface  may  have 
different  resistivities,  and  the  bulk  resistance 
(between  two  plated  through  holes,  for  in- 
stance) is  generally  lower  than  the  surface 
resistance  between  two  tracks. 

Since  the  insulation  resistance  is  so  vari- 
able (and  it  will  vary  further  with  tempera- 
ture and  humidity)  it  is  hard  to  predict  in 
any  particular  circumstances  but  it  is  safe  to 
assume  that  it  is  unlikely  that  the  resistance 
between  two  conductors  on  a  clean  PCB  will 
drop  below  1010  -  10"  ohms,  and  with  teflon 
PCB  material  (which  is  very  expensive)  will 
usually  be  over  1012  ohms. 

Guard  rings 


In  applications  where  high  impedances 
and  very  low  currents  are  involved  a  guard 
ring  may  be  used  to  minimize  the  effects  of 
low  insulation  resistance.  If  critical  high 
impedance  nodes  are  surrounded  by  a  ring  of 
conductor  which  is  at  (or  very  close  to)  the 
potential  of  the  node  itself  then  the  leakage 
current  at  the  node  will  be  minimized.  If  the 
node  is  at,  or  near  to,  ground  then  a 
grounded  guard  ring  will  be  appropriate,  if  it 
is  at  some  other  potential  it  may  be  neces- 
sary to  use  a  high  input  impedance  buffer 
amplifier,  with  its  input  connected  to  the 
node,  to  force  the  guard  ring  to  the  node 


LEAKAGE  RESISTANCE  ON  PCBs 
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SURFACE  LEAKAGE  ON  A  PCB 
IS  UNPREDICTABLE.  R1  IS 

NOT' 


IF  A  VULNERABLE  CONDUCTOR  IS 
SURROUNDED  BY  A  GUARD  RING 
(ON  BOTH  SIDES  OF  THE  BOARD) 
WHICH  IS  AT  THE  SAME  I  POTENTIAL 
AS  THE  CONDUCTOR  IT  IS  GUARDING 
THE  EFFECTS  OF  LEAKAGE 
RESISTANCE  WILL  BE  MINIMIZED 


'//////////////////////7. 
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LEAKAGE  RESISTANCE  BETWEEN 
SURFACE  TRACKS  ON  A  PCB  IS 
GENERALLY  MUCH  LARGER  THAN 
BETWEEN  PLATED  HOLES 


Figure  11.9 
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potential.  It  is  obvious  that,  in  general, 
guard  rings  should  be  on  both  sides  of  the 
PCB  with  plated-through  holes. 

Nodes  which  are  sufficiently  sensitive  to 
require  guard  rings  should  not  contain  plated 
through  holes  (unless  the  PCB  is  made  of 
teflon)  because,  as  mentioned  above,  the  bulk 
resistivity  of  PCB  material  is  less  than  the 
surface  resistivity. 

An  alternative  to  the  use  of  a  guard  ring  is 
to  use  teflon  stand-off  insulators)  to  support 
the  high  impedance  point(s).  If  virgin  teflon 
is  used  insulation  resistance  of  around  1016 
ohms  is  possible  ("Virgin  teflon"  is  a  solid 
piece  of  new  teflon  material  which  has  been 
machined  to  shape  and  has  not  been  welded 
together  from  powder  or  grains).  The  mate- 
rial of  the  rest  of  the  circuit  board  need  not 
have  particularly  high  insulation  resistance. 


charge  before  touching  the  circuit,  similarly 
touch  the  foam  with  the  hand  before  insert- 
ing the  circuit  in  it,  and  hold  your  colleague's 
hand  BEFORE  passing  the  IC. 

ELECTROSTATIC  DISCHARGE  (ESD) 
ESD 

PREVENTION  MANUAL 

1 

ANALOG 
LA  DEVICES 


A  VIRGIN  TEFLON  STANDOFF  INSULATOR 
HAS  MUCH  LOWER  LEAKAGE  THAN  A 
PCB  TRACK 


Figure  11.10 


Electrostatic  damage  (ESD) 

Where  resistances  are  very  high,  espe- 
cially in  conditions  of  low  humidity,  there  is 
always  the  possibility  of  electrostatic  charge 
and  electrostatic  damage.  A  full  discussion  of 
electrostatic  damage  (ESD)  and  its  preven- 
tion will  be  found  in  Analog  Devices'  Applica- 
tion Note  on  the  subject,  which  is  available 
free  of  charge  from  Analog  Devices.2 

This  application  note  describes  procedures 
to  minimize  the  risk  of  electrostatic  damage 
to  sensitive  devices.  The  basic  principle  of  all 
ESD  protection  is  to  prevent  a  vulnerable 
item  from  being  in  the  path  of  a  discharge. 
Many  of  the  precautions  used  in  factories  are 
designed  to  minimize  the  possibility  of  any 
damaging  discharge,  even  in  the  event  of 
carelessness.  When  experienced  engineers 
handle  ICs  they  may  dispense  with  most  of 
the  ESD  protection  apparatus  and  merely 
ensure  that  the  IC  is  never  in  any  potential 
discharge  path:  when  taking  a  circuit  from 
conductive  foam,  touch  the  foam  to  equalize 


Figure  11.11 


] 


All  integrated  circuit  structures  are  vul- 
nerable to  damage  from  the  high  voltages 
and  high  peak  currents  involved  in  even 
small  electrostatic  discharges  but  precision 
analog  circuits  suffer  from  a  special  disad- 
vantage -  the  circuitry  used  to  protect  inte- 
grated circuit  structures  from  ESD  can  often 
degrade  the  analog  accuracy  of  the  circuit 
where  it  is  employed.  Thus  we  have  the 
choice  between  high  performance  and  a  high 
degree  of  protection.  Which  we  choose  will 
depend  upon  individual  circumstances  but  it 
is  essential  to  realize  that  the  choice  must  be 
made  -  and  if  it  is  made  in  favour  of  accuracy 
then  the  circuit  involved  must  not  be  exposed 
to  electrostatic  discharge. 

A  precision  analog  circuit  exposed  to  ESD 
may  not  fail  totally,  but  merely  suffer  degra- 
dation of  its  analog  performance,  and  pos- 
sible reduction  of  life  expectancy.  When  an  IC 
is  returned  to  Analog  Devices  for  failure 
analysis  of  inadequate  performance  the  first 
check  that  is  made  when  the  package  is 
opened  is  a  visual  inspection  for  evidence  of 
electrostatic  damage  -  and  this  is  found  in  a 
large  percentage  of  cases. 

An  interesting  example  of  an  unobvious 
effect  of  ESD  occurred  in  Finland,  where  very 
cold  winters  produce  very  low  humidity  and 
particularly  severe  electrostatic  problems.  A 
customer  complained  that  the  AD549  low 
bias  current  BIFET  op-amp  had  poor  long- 
term  reliability  and  that  its  noise  perform- 
ance deteriorated  over  a  few  years  of  use. 
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ELECTROSTATIC  DISCHARGE  PROTECTION      Inductive  resistors 


NORMALLY  CLOSED  REED  RELAY  (OPENED  DURING 
MEASUREMENT)  PROTECTS  ELECTROMETER  FROM 
NOISE  DEGRADATION  DUE  TO  LOW-LEVEL 
ELECTROSTATIC  DAMAGE  IESDI  CAUSED 
BY  CHARGED  DUST  PARTICLES 


The  amplifier  was  being  used  as  a  unity 
gain  buffer  with  an  electrochemical  cell  and 
the  non-inverting  input  was  connected  to  a 
platinum  electrode  and  to  nothing  else.  In 
use  this  electrode  was  immersed  in  electro- 
lyte but  after  use  it  was  washed  (automati- 
cally) in  deionized  water  and  air  dried.  It  was 
then  left  unconnected  until  the  machine  was 
next  used. 

Although  there  was  no  possibility  of  the 
electrode  being  touched  at  this  time  (it  was 
in  the  very  center  of  the  machine)  it  could 
encounter  random  particles  of  electrostati- 
cally charged  dust  -  and  the  pulse  currents  as 
these  dust  particles  discharged  were  suffi- 
cient to  cause  gradual  deterioration  of  the 
noise  figure.  As  soon  as  arrangements  were 
made  to  ground  the  electrode  when  it  was 
not  in  use  (with  an  NC  reed  relay  for  mini- 
mum leakage)  the  problem  disappeared. 

Parasitic  effects  in  resistors 

When  we  model  a  circuit,  either  informally 
or  with  a  program  such  as  SPICE,  we  gener- 
ally assume  that  a  resistor  is  a  simple  resis- 
tance. In  fact  any  resistor  is  a  much  more 
complex  device  containing,  at  the  very  least, 
an  inductance,  a  noise  source,  a  capacitor 
and  two  thermocouples. 


THE  EQUIVALENT  CIRCUIT 
OF  A  RESISTOR  IS  NOT 


BUT 

 nnsv 


Figure  11.13 


All  resistors  have  some  inductance  (as  we 
shall  see,  a  straight  piece  of  wire  has  some 
inductance)  but  wirewound  resistors  actually 
consist  of  a  coil  of  wire,  which  must  inevita- 
bly be  inductive.  Even  if  the  coil  is  "non- 
inductive"  and  consists  of  N  clockwise  turns 
and  N  anticlockwise  turns  there  will  still  be 
some  mismatch  and  residual  inductance. 
Residual  inductance  values  of  up  to  20  uH 
can  be  expected  in  "non-inductive"  wire- 
wound  resistors  with  values  below  10  k 
ohms,  although  above  10  k  ohms  the  reac- 
tance of  such  a  resistor  is  more  likely  to  be  a 
capacitance  of  around  5  pF. 

Some  film  resistors  are  also  inductive, 
consisting  of  a  spiral  of  resistive  material  on 
a  cylindrical  ceramic  body.  Again  values  of  a 
few  uH  are  typical.  High  frequency  circuits 
must  not  use  inductive  resistors  since  their 
impedance  is  not  equal  to  their  resistance 
and,  indeed,  varies  with  frequency.  Even  low 
frequency  circuitry,  where  the  inductance  of 
the  resistors  would  not  seem  to  be  a  problem, 
may  suffer  from  instability  arising  from 
unforeseen  HF  effects  of  resistor  inductance 
(the  transistors  used  in  low  frequency  op- 
amps  frequently  have  Ft  of  up  to  1  GHz) 


Thermo-electric 


■ 


Wirewound  resistors  have  another  prob- 
lem. The  junction  of  the  resistance  wire  and 
the  lead  forms  a  thermocouple  which  has  a 
thermoelectric  EMF  of  42  uV/°C  for  the  stan- 
dard "Alloy  180"/Nichrome  junction  of  an 
ordinary  wirewound  resistor.  If  a  resistor  is 
chosen  with  the  [more  expensive]  copper/ 
nichrome  junction  the  value  is  2.5  uV/°C. 
("Alloy  180"  is  the  standard  component  lead 
alloy  of  77%  copper  and  23%  nickel.) 

Such  thermocouple  effects  are  unimpor- 
tant at  AC  or  where  a  resistor  is  at  a  uniform 
temperature  but  if  the  dissipation  in  a  resis- 
tor, or  its  location  with  respect  to  heat 
sources,  can  cause  one  of  its  ends  to  be 
warmer  than  the  other  then  there  will  be  a 
net  thermoelectric  EMF  which  will  introduce 
a  dc  error  into  the  circuit.  With  a  normal 
wirewound  resistor  a  temperature  differen- 
tial of  only  4°C  will  introduce  a  dc  error  of 
168  u.V  -  which  is  greater  than  1  LSB  in  a  10 
V/16-bit  system. 

The  problem  may  be  minimized  by  mount- 
ing wirewound  resistors  to  ensure  that  tem- 
perature differentials  are  minimized.  This 
may  be  done  by  ensuring  that  both  leads  are 
of  equal  length  to  equalize  thermal  conduc- 
tion through  them,  by  making  any  airflow 
(whether  forced  or  natural  convection)  nor- 
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MINIMIZING  THERMOCOUPLE  EFFECTS 
IN  WIREWOUND  RESISTORS 
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LEADS  SHOULD  BE  OF  EQUAL  LENGTH  TO  EQUALIZE 
THERMAL  CONDUCTION 
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RESISTORS  SHOULD  BE  PLACED  SO  THAT  HEAT  SOURCES 
WARM  BOTH  ENDS  EQUALLY  -  AND  SHOULD  BE  AS  FAR 
FROM  HEATSOURESAS  POSSIBLE 


ANY  AIRFLOW  SHOULD  BE  NORMAL  TO  THE 
RESISTOR  BODY  -  NOT  ALONG  IT 


Figure  11.14 


mal  to  the  resistor  body,  and  by  taking  care 
that  both  ends  of  the  resistor  are  the  same 
distance  from  any  heat  source  on  the  PCB. 
Notwithstanding  these  precautions  it  is  wiser 
to  use  resistors  with  copper,  rather  than 
"Alloy  180"  leads,  and  to  site  them  as  far  as 
possible  from  any  heat  source. 

Stability  &  matching 

Thermal  effects  other  than  thermocouple 
effects  will  also  affect  the  accuracy  of  circuits 
using  resistors.  Resistors  are  never  com- 
pletely stable  with  temperature  and  if  either 
the  temperature  coefficients,  or  the  actual 
temperatures  of  two  resistors  in  a  precision 
circuit  are  mismatched  then  the  performance 
of  the  circuit  will  suffer.  Temperature  mis- 
match of  two  identical  resistors  in  similar 
environments  may  arise  from  differences  in 
self-heating  or  other  causes.3 

GAIN  OF  100  STAGE 

100Q  9.9kQ 


Typical  temperature  coefficients  of  dis- 
crete resistors  are  apt  to  be  around  100  ppm/ 
°C  or  more.  The  best  way  to  minimize  the 
effects  of  resistor  temperature  coefficients 
and  to  eliminate  the  effects  of  different 
resistor  temperatures  is  to  ensure  that  all 
resistors  whose  resistor  matching  affects  the 
accuracy  of  a  system  are  built  on  a  single 
substrate.  This  substrate  may  be  the  glass  or 
ceramic  substrate  of  a  thin  film  resistor 
network. 

A  better  alternative,  when  possible,  is  to 
use  an  integrated  circuit  having  laser 
trimmed  thin  film  resistors  on  the  silicon 
substrate  of  the  IC.  The  temperature  coeffi- 
cient of  such  resistors  can  be  well  below  20 
ppm/°C,  and  the  differential  temperature 
coefficient  between  two  resistors  on  the  same 
substrate  is  of  the  order  of  0.5  ppm/°C  or  less. 

Voltage  variation  of  resistance 

It  is  not  possible  to  fabricate  very  high 
resistances  on  thin  film  or  IC  substrates,  and 
high  value  discrete  resistors  are  considerably 
less  stable  than  lower  value  ones.  It  is  inad- 
visable, therefore,  to  rely  on  the  stability  of 
high  value  resistors  for  the  performance  of  a 
system.  Some  types  of  high  value  resistor 
have  another  imperfection:  they  have  a 
slightly  non-linear  voltage/current  curve  and 
do  not  obey  Ohm's  Law  accurately. 


Resistor  mismatch  due  to  mismatch  of 
temperature  coefficients,  mismatch  of 
temperature  (possibly  due  to  self-heating), 
or  both,  can  cause  gain  errors. 

Ideally,  all  resistors  whose  matching  can 
affect  accuracy  should  be  fabricated  on  a 
single  substrate. 

Figure  11.15 


HIGH  VALUE  RESISTORS 

■  Likely  to  be  Less  Stable 

and 

■  Non-Linear  With  Voltage 

Figure  11.16 
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Johnson  noise 

A  final  "imperfection"  of  resistors  is  an  in- 
convenience but  cannot  properly  be  regarded 
as  an  imperfection  as  it  is  a  fundamental 
property  of  all  resistors:  thermal  or  Johnson 
noise. 

RESISTOR  JOHNSON  NOISE 

■  All  Resistors  Have  Noise:  VN  =  V4kTBR 

T  is  Absolute  Temperature 
B  is  Bandwidth  in  Hertz 
R  is  the  Resistance  in  Ohms 
k  is  Boltzmann's  Constant 
(1.38E-23  J/K) 

■  It  is  possible  to  reduce  the  noise  of  a  resistor 
by  reducing  T,  B,  or  R  but  it  is  NOT  possible 
to  reduce  k  because  Boltzmann  is  dead. 

Figure  11.17 

At  any  temperature  above  absolute  zero 
all  resistors  have  noise  due  to  thermal  mo- 
tion of  their  structure.  This  noise,  which  is 
described  by 



V  =    ^  4kTBR 
a 

(Where  k  is  Boltzmann's  constant:  1.38E- 
23  J/°K) 

Johnson  noise  is  present  in  ALL  resistors 
and  can  only  be  reduced  by  reducing  R,  the 
resistance  itself,  B,  the  bandwidth  of  inter- 
est, or  T,  the  temperature.  Since  the  function 
involves  a  square  root,  the  noise  improve- 
ment for  a  drop  in  temperature  from  room 
temperature  (298  °K)  to  liquid  nitrogen  (77 
°K)  is  only  of  the  order  of  50%,  so  cooling  a 
resistor,  unless  liquid  helium  is  involved,  is 
unlikely  to  be  very  profitable. 

Johnson  noise  is  purely  an  effect  of  resis- 
tance. The  Johnson  noise  of  complex  imped- 
ances consists  only  of  the  Johnson  noise  of 
the  resistive  part  of  the  impedance,  so  pure 
capacitance  or  inductance  does  not  have 
Johnson  noise,  even  though  it  has  an 
impedance. 
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Capacitance 

Stray  capacitance 

Where  two  conductors  are  not  short- 
circuited  together,  or  totally  screened  from 
each  other  by  a  conducting  (Faraday)  screen, 
there  is  a  capacitance  between  them.  There 
will  therefore  be  a  large  number  of  capacitors 
associated  with  any  circuit,  which  may  or 
may  not  be  considered  in  models  of  the 
circuit.  Where  high  frequency  performance 
matters  (and  even  DC  and  VLF  circuits  may 
use  devices  with  high  Ft  and  therefore  be 
vulnerable  to  HF  instability)  it  is  very  impor- 
tant to  consider  the  effects  of  strav  capacity. 

Any  basic  textbook  will  provide  formulas 
for  the  capacitance  of  parallel  wires,  concen- 
tric spheres  and  cylinders,  and  many  other 
configurations.4  The  only  example  we  need 
consider  in  this  seminar  is  the  parallel  plate 
capacitor,  which  is  formed  by  conductors  on 
opposite  sides  of  a  PCB. 

Neglecting  edge  effects,  the  capacitance  of 
two  parallel  plates  of  area  A  mm2  and  sepa- 
ration d  mm  in  a  medium  of  dielectric  con- 
stant Er  relative  to  air  is 

0.00885  ErA/d  pF. 

CAPACITANCE 


k 


d  =  plate  separation  in  mm 


E  r  b  dielectric  constant  relative  to  air 

■  Commonest  type  of  PCB  uses  1 .5mm 
glass-fiber  epoxy  material  with  E  r  =  4.7 

■  Capacity  of  PC  track  over  ground  plane 
is  roughly  2.8pF/cm2 

Figure  11.18 

From  this  formula  we  can  calculate  that 
for  general  purpose  PCB  material  (Er  =  4.7,  d 
=  1.5  mm)  the  capacitance  between  conduc- 
tors on  opposite  sides  of  the  board  is  just 
under  3pF/cm2.  In  general  such  capacitance 
will  be  parasitic,  and  circuits  must  be  de- 


signed  so  that  it  does  not  affect  their  per- 
formance, but  it  is  possible  to  use  PCB  ca- 
pacitance in  place  of  small  discrete  capaci- 
tors. However  the  dielectric  properties  of 
common  PCB  materials  (teflon  is  an  expen- 
sive exception)  cause  such  capacitors  to  have 
a  rather  high  temperature  coefficient  and  to 
have  poor  Q  at  high  frequencies,  which 
makes  them  unsuitable  for  many  applica- 
tions. 

■ 

Capacittve  noise  &  Faraday  shields 

There  is  a  capacitance  between  any  two 
conductors  separated  by  a  dielectric  (air  or 
vacuum  is  a  dielectric).  If  there  is  a  change  of 
voltage  on  one  there  will  be  a  movement  of 
charge  on  the  other.  The  basic  model  is 
shown  in  Figure  11.19. 


CAPACITIVE  COUPLING  EQUIVALENT 
CIRCUIT 

+ 


I  1 

Z,  =  CIRCUIT  IMPEDANCE 

Z,  =  1/|„C 

9ifT  .iansvno3  aiu  To  ousi  s 
Figure  11.19 


It  is  evident  that  the  voltage  coupled  into 
Zl  may  be  reduced  by  reducing  the  signal 
voltage,  Vn,  the  frequency  involved,  the 
capacitance,  or  Zl,  but  frequently  none  of 
these  can  be  changed.  The  best  solution  is  to 
insert  a  grounded  conductor  (known  as  a 
Faraday  shield)  between  the  noise  source 
and  the  circuit  which  it  affects. 

The  Faraday  shield  is  easily  implemented 
and  almost  invariably  successful.  For  this 
reason  capacitively  coupled  noise  is  rarely  an 
intractable  problem.  However,  to  be  effective 
the  shield  must  completely  block  the  electric 
field  between  the  noise  source  and  the 
shielded  circuit  and  must  be  connected  so 
that  the  noise  current  returns  to  its  source 
without  flowing  in  any  part  of  the  circuit 
where  it  might  introduce  conducted  noise.  A 
conductor  intended  as  a  Faraday  shield  must 
never  be  left  unconnected  as  this  almost 
always  increases  capacity  and  exacerbates 
the  problem. 

An  example  of  this  problem  is  seen  in 
sidebrazed  ceramic  IC  packages.  These  DIP 
packages  have  a  small  square  conducting 


CAPACITIVE  SHIELDING 

CAPACITIVE  SHIELD  INTERRUPTS  THE 
COUPLING  ELECTRIC  FIELD 
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EQUIVALENT  CIRCUIT  ILLUSTRATES  HOW  A  CAPACITIVE 
SHIELD  CAUSES  THE  NOISE  CURRENTS  TO  RETURN  TO 
THEIR  SOURCE  WITHOUT  FLOWING  THROUGH  Z, 


Figure  11.20 

kovar  lid  soldered  onto  a  metallized  rim  on 
the  ceramic  package  top.  Package  manufac- 
turers offer  only  two  options:  the  metallized 
rim  may  be  connected  to  one  of  the  corner 
pins  of  the  package  or  it  may  be  left  uncon- 
nected. Most  logic  circuits  have  a  ground  pin 
at  one  of  the  package  corners  and  therefore 
the  lid  is  grounded.  Many  analog  circuits  do 
not  have  a  ground  pin  at  a  package  corner 
and  the  lid  is  left  floating  -  such  circuits  turn 
out  to  be  far  more  vulnerable  to  electric  field 
noise  than  the  same  chip  in  a  plastic  DIP 
package  where  the  chip  is  completely 
unshielded. 

CAPACITIVE  EFFECTS 
DUE  TO  METAL  LIDS 

.>  METAL  (KOVAR)  LID 


 ^ 


CERAMIC 


SIDEBRAZE  CERAMIC  D.I.L.  PACKAGES 
SOMETIMES  HAVE  ISOLATED  METAL  LIDS 

THESE  ARE  VULNERABLE  TO  CAPACITIVE 
INTERFERENCE  AND  SHOULD  BE  GROUNDED 
(IF  POSSIBLE) 


Figure  11.21 
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Whatever  the  environmental  noise  level,  it 
is  good  practice  for  the  user  to  ground  the  lid 
of  any  sidebrazed  ceramic  IC  where  the  lid  is 
not  grounded  by  the  manufacturer  -  this  can 
be  done  with  a  wire  soldered  to  the  lid  (this 
will  not  damage  the  device  as  the  chip  is 
thermally  and  electrically  isolated  from  the 
lid).  If  soldering  to  the  lid  is  unacceptable  a 
grounded  phosphor-bronze  clip  may  be  used 
to  make  the  ground  connection,  or  conductive 
paint  from  the  lid  to  the  ground  pin.  Never 
attempt  to  ground  such  a  lid  without  verify- 
ing that  it  is,  in  fact,  unconnected,  as  occa- 
sionally device  types  will  be  found  with  the 
lid  connected  to  a  power  supply  rather  than 
to  ground! 

One  case  where  a  Faraday  shield  is  im- 
practicable is  between  the  bondwires  of  an 
integrated  circuit  chip.  This  has  important 
consequences. 

STRAY  CAPACITY 
BETWEEN  CHIP  BONDWIRES 


WITH  A  HIGH  PERFORMANCE  CONVERTER 
ON  A  HIGH  SPEED  DATA  BUS,  IT  IS 
NOT  POSSIBLE 
TO  SHIELD  THE  ANALOG  PORT 
FROM  THE  DIGITAL  NOISE 


Figure  11.22 


Figure  11.23 


Present  technology  offers  no  cure  for  this 
problem,  which  also  limits  the  performance 
possible  from  broadband  monolithic  mixed 
signal  ICs  having  analog  and  digital  circuitry 
on  a  single  chip.  However,  it  may  be  avoided 
quite  simply  by  not  connecting  the  databus 
directly  to  the  converter  but  by  using  a 
latched  buffer  as  an  interface.  This  solution 
costs  money,  occupies  board  area,  reduces 
reliability  (very  slightly),  consumes  power 
and  complicates  design  -  but  it  does  improve 
the  signal-to-noise  ratio  of  the  converter.  The 
designer  must  decide  whether  it  is  worth- 
while in  individual  cases. 


The  stray  capacitance  between  two  chip 
bondwires  and  their  associated  leadframes  is 
of  the  order  of  0.2  pF.  (Note  this  is  "of  the 
order"  NOT  "of  the  close  order"  -  observed 
values  generally  lie  between  0.05  and  0.6 
pF.)  If  we  have  a  high  resolution  converter 
(ADC  or  DAC)  which  is  connected  to  a  high 
speed  data  bus  then  each  line  of  the  data 
bus,  which  will  be  carrying  noise  with  2-5  V/ 
ns  dV/dT,  is  connected  to  the  converter 
analog  port  via  this  stray  capacitance.  When- 
ever the  bus  is  active  intolerable  amounts  of 
noise  will  be  capacitively  coupled  to  the 
analog  port  and  will  seriously  degrade  the 
performance  of  which  the  converter  is  ca- 


BUFFER  LATCH 
USED  AS  FARADAY  SHIELD 


FAST 
DATA 
BUS 


LATCH/ 
BUFFER 


.  ANALOG 
PORT 


A  BUFFER/LATCH  CAN  ACT  AS  A  FARADAY  SHIELD 
BETWEEN  A  FAST  DATA  BUS  AND  A  HIGH 
PERFORMANCE  CONVERTER 

IT  ADDS  COST,  BOARD  AREA,  POWER  CONSUMPTION 
RELIABILITY  REDUCTION,  DESIGN  COMPLEXITY 
AND  IMPROVED  PERFORMANCE 


Figure  11.24 


24-62  MISCELLANEOUS 


EQUIVALENT  CIRCUITS  OF  A  REAL  CAPACITOR 

o  II  . 


IDEAL  CAPACITOR 


MOST  GENERAL  MODEL 


OF  A  REAL  CAPACITOR 


T 


LEAKAGE  CURRENT  MODEL 


HIGH  FREQUENCY  MODEL 


HIGH  CURRENT  MODEL  DIELECTRIC  ABSORBTION  (D.A.I  MODEL 

Figure  11.25 


Parasitic  effects  in  capacitors 

Just  as  we  are  too  willing  to  assume  that 
a  resistor  is  a  perfect  resistor,  so  do  we 
underestimate  the  parasitic  components 
associated  with  a  capacitor.  Fig  25  shows  the 
ideal,  the  general  model  of  a  real  capacitor, 
and  the  simplified  models  which  are  ade- 
quate for  the  analysis  of  non-ideal  behavior 
in  most  applications. 

Capacitors  are  used  for  coupling  (passing 
AC  signals  while  blocking  DC),  for  decoupling 
(removing  AC  superimposed  on  DC  in  both 
power  and  signal  circuitry),  for  building 
filters  or  frequency-selective  networks,  and 
for  storing  charge  in  "sample  and  hold" 
circuits  (also  known  as  "track  and  hold" 
circuits  or  SHAs,  SAHs  or  THAs). 

Capacitor  Leakage 

In  coupling  and  SHA  applications  the 
leakage  of  the  capacitor  can  be  important. 
Electrolytic  capacitors,  where  the  dielectric  is 
formed  by  an  electrochemical  reaction,  have 
relatively  high  leakage  currents  of  microam- 
peres or  even  more  and  so  are  not  used  in 
applications  where  leakage  matters.  The 
leakage  of  electrolytic  capacitors  is  greater 
during  the  first  few  minutes  of  operation 
after  a  period  of  storage  (the  leakage  current 
while  the  capacitor  is  in  use  keeps  the  dielec- 
tric in  good  condition  and  it  may  deteriorate 
slightly  in  storage)  -  this  feature  can  be 
important  in  equipment  which  must  perform 
correctly  after  a  long  quiescent  period. 

The  leakage  of  tantalum  electrolytic 
capacitors  is  lower  than  that  of  aluminium 
ones  and  so  in  applications  where  capaci- 
tances of  tens  of  microfarads  or  more  (which 
can  be  easily  achieved  only  with  electrolytic 
capacitors)  are  required  tantalum  ones 
are  used,  despite  their  extra  cost,  if  particu- 
larly low  values  of  leakage  current  are  neces- 


sary. At  room  temperature  the  leakage  of  alu- 
minium electrolytic  capacitors  is  of  the  order 
of  20  nA/nF  and  that  of  tantalum  ones  is 
5nA/uF. 

Another  feature  of  electrolytic  capacitors, 
both  aluminium  and  tantalum,  is  that  most 
of  them  are  polarized  and  require  a  DC  bias 
for  correct  operation  -  a  reverse  bias  may  do 
damage  and  will  certainly  increase  leakage 
(unpolarized  electrolytic  capacitors,  which 
may  be  biased  in  either  direction,  do  exist 
but  they  are  uncommon,  and  considerably 
larger  than  the  polarized  variety). 

Most  other  types  of  capacitor  have  leakage 
resistances  in  excess  of  hundreds  of  gigohms 
so  that  for  most  applications  their  leakage 
currents  can  be  disregarded. 

Series/loss  resistance 

The  series  resistance  of  capacitors  causes 
them  to  dissipate  power  when  high  AC 
currents  are  flowing  in  them.  This  can  have 
serious  consequences  at  RF  and  in  supply 
decoupling  capacitors  carrying  high  ripple 
currents  but  is  unlikely  to  have  much  effect 
in  precision  analog  circuitry.  The  series 
inductance,  however,  can  have  very  incon- 
venient consequences. 

Inductance  of  Capacitors 


The  transistors  used  in  precision  analog 
circuits  have  transition  frequencies  (Ft)  of 
hundreds  of  MHz  or  even  several  GHz,  even 
though  the  precision  circuitry  itself  may  be 
operating  at  DC  or  low  frequencies.  This 
makes  it  essential  that  the  power  supply 
terminals  of  such  circuits  should  be  de- 
coupled properly  at  high  frequency. 

A  common  structure  for  capacitors  is  two 
sheets  of  metal  foil  separated  by  sheets  of 
plastic  or  paper  dielectric  and  formed  into  a 
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HIGH  FREQUENCY  DECOUPUNG 
(REQUIRED  EVEN  BY  LF  ANALOG  CIRCUITS) 


SURFACE  MOUNT 


GROUND 
PLANE 


IDEAL  HF  DECOUPLING  HAS 

1.  LOW  INDUCTANCE  CAPACITOR  (MONOLITHIC  CERAMIC) 

2.  MOUNTED  VERY  CLOSE  TO  THE  IC 

3.  WITH  NO  LEADS  (SURFACE  MOUNT)  OR  VERY  SHORT  LEADS 

4.  AND  SHORT,  WIDE  PC  TRACKS 

IT  MAY  BE  SHUNTED  WITH  A  TANTALUM  BEAD  ELECTROLYTIC 
TO  PROVIDE  GOOD  LF  DECOUPLING  AS  WELL 


THIS  SORT  OF  THING  IS  USELESS! 


Figure  11.26 


roll.  Such  a  structure  has  considerable  self 
inductance  and  behaves  as  an  inductance 
rather  than  a  capacitor  at  frequencies  of 
more  than  a  few  MHz.  It  is  therefore  inadvis- 
able to  use  electrolytic  ,  paper  or  plastic  film 
capacitors  for  decoupling  at  high  frequencies. 

Monolithic  ceramic  capacitors  have  very 
low  series  inductance  (they  are  formed  of  a 
multilayer  sandwich  of  metal  films  and 
ceramic  dielectric  and  all  the  films  are  joined 
to  a  bus-bar  rather  than  being  connected  in 
series).  They  are  therefore  ideal  for  high 
frequency  decoupling.  However,  monolithic 
ceramic  capacitors  can  be  microphonic,  and 
some  types  may  be  self-resonant  with  com- 
paratively high  Q.  Disc  ceramic  capacitors, 
on  the  other  hand,  are  sometime  quite  induc- 
tive, although  less  expensive. 

The  best  way  of  ensuring  that  an  analog 
circuit  is  adequately  decoupled  at  both  high 
and  low  frequencies  is  to  use  a  tantalum 
bead  capacitor  in  parallel  with  a  monolithic 
ceramic  one.  The  combination  will  have  high 
capacitance  but  will  remain  capacitive  at 
VHF  frequencies.  It  is  generally  unnecessary 
to  have  a  tantalum  capacitor  on  each  individ- 
ual IC,  if  there  is  less  than  10  cm  of  reasona- 
bly wide  PC  track  between  each  IC  and  the 
tantalum  capacitor  it  is  possible  to  share  one 
tantalum  capacitor  among  several  ICs. 

There  is  little  point  in  taking  great  care  in 
the  choice  of  a  non-inductive  capacitor  if  it  is 
then  unsuitably  mounted.  Short  lengths  of 
wire  have  appreciable  inductance  so  HF 
decoupling  capacitors  must  be  mounted  as 
close  as  possible  to  the  points  that  they  are 
decoupling  with  short,  wide  PC  tracks. 
Ideally  HF  decoupling  capacitors  should  be 
surface-mount  parts  to  eliminate  lead  induc- 
tance, but  wire-ended  capacitors  are  permis- 
sible provided  the  device  leads  are  no  longer 


than  1.5  mm.  It  is  also  important  to  under- 
stand where  HF  decoupling  currents  should 
flow  and  why  HF  decoupling  is  more  impor- 
tant at  some  points  than  at  others  -  the 
subject  is  covered  at  some  length  in  an 
Analog  Devices  Application  Note.5 

HF  instability  in  analog  circuits  is  more 
common  than  is  realized.  Oscillation  at 
hundreds  of  MHz  will  cause  serious  malfunc- 
tion of  precision  circuitry  but  may  not  affect 
an  oscilloscope  (indeed  the  presence  of  an 
oscilloscope  probe  may  damp  the  oscillation, 
so  that  the  circuit  works  only  when  an  oscil- 
loscope is  attached  to  it  -  this  is  an  impor- 
tant diagnostic  clue).  It  is  quite  good  practice 
to  use  a  broadband  spectrum  analyzer  (say  1- 
1500  MHz)  and  a  low  capacity  FET  probe  to 
check  for  parasitic  oscillation  any  analog 
circuit  which  is  malfunctioning  for  no  obvious 
reason.  This  test  will  also  show  if  the  mal- 
function is  due  to  the  presence  of  a  strong  RF 
field  from  an  external  source. 

Dielectric  absorption 

Monolithic  ceramic  capacitors  are  excel- 
lent for  HF  decoupling  but  they  have  consid- 
erable dielectric  absorption,  which  makes 
them  unsuitable  for  use  as  the  hold  capacitor 
of  an  SHA.  Dielectric  absorption  causes  a 
capacitor  which  is  quickly  discharged  and 
then  open-circuited  to  recover  some  of  its 
charge.  Since  the  amount  of  charge  recovered 
is  a  function  of  its  previous  charge  this  is,  in 
effect,  a  charge  memory  and  will  cause  errors 
in  any  SHA  where  dielectric  absorption  is 
present  in  the  hold  capacitor. 
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CAPACITORS  HAVING  SIGNIFICANT  D.A.  ARE 
USELESS  FOR  SAMPLE  AND  HOLD  APPLICATIONS 


(»A-+-B-*kc-» 


SWITCH  POSITION 
TIME   »> 


IIEFLY  DISCHARGED  CAPACITOR  TO  RECOVER 
CHARGE  ON  BEING  OPEN  CIRCUITED. 


Figure  11.27 


Capacitors  for  this  application  should 
therefore  be  selected  to  have  minimal  dielec- 
tric absorption.  The  best  strategy  is  to  use  a 
SHA  which  is  supplied  with  an  internal 
capacitor  or  where  the  SHA  manufacturer 
supplies  the  capacitor  with  the  SHA.  If  this  is 
not  possible  (sometimes  one  may  require  a 
longer  hold  time  -  and  hence  extra  capacity) 
a  capacitor  should  be  chosen  which  has  its 
low  dielectric  absorption  (DA)  specified  on  its 
data  sheet. 

Such  capacitors  are  normally  plastic  die- 
lectric types  (polystyrene,  polypropylene  or 
teflon)  but  it  is  not  safe  to  use  just  any 
plastic  dielectric  capacitor  with  a  SHA  as 
special  processing  and  testing  is  necessary  to 
ensure  that  it  has  low  DA  For  use  with  a 
SHA  a  capacitor  should  be  chosen  which  is 
specified  for  low  DA  applications. 


Inductance 
Stray  inductance 

All  conductors  are  inductive  and  at  high 
frequencies  the  inductance  of  even  quite 
short  pieces  of  wire  may  be  important.  The 
inductance  of  a  straight  wire  of  length  L  mm 
and  circular  cross-section  with  radius  R  mm 
in  free  space  is 

In/ —  A  -  0.75 


0.0002L 


Kt) 


The  inductance  of  a  strip  conductor  (an 
approximation  to  a  PC  track)  of  width  W  mm 
and  thickness  H  mm  in  free  space  is 


0.0002L 


,2-L.               ,W  +  Hv  1 
ln^  j+  0.2235^  J  +0.5juH. 


In  real  systems  these  formulas  both  turn 
out  to  be  approximate  but  they  do  give  some 
idea  of  the  order  of  magnitude  of  inductance 
involved.  They  tell  us  that  1  cm  of  0.5  mm 
o.d.  wire  has  an  inductance  of  7.26  nH  and  1 
cm  of  0.25  mm  PC  track  has  an  inductance  of 
9.59  nH  -  these  figures  are  reasonably  close 
to  measured  results. 

At  10  MHz  an  inductance  of  7.26  nH  has 
an  impedance  of  0.46  ohm  and  so  can  give 
rise  to  1%  error  in  a  50  ohm  system. 


INDUCTANCE 

(  O 


2R 


U  R  In  mm 


WIRE  INDUCTANCE  =  0.0002l.rin  (%)  -  0.7sl  „  H 

J 

EXAMPLE:  1cm  ot  0.5mm  o.d.  wire  has  an  Inductance  of  7.26nH 
(2R  =  0.5mm,  L  =  1cm) 


STRIP  INDUCTANCE  =  0.0002U[ln(w^|)  +  0.2235  ( '^~)  *  0.5]  ^  H 

EXAMPLE:   1cm  ol  0.25  mm  PC  track  has  an  Inductance  of  9.59  nH 
(H  =  0.038mm,  W  •  0.25mm,  L  =  1cm) 


Figure  11.28 
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NONIDEAL  AND  IMPROVED  SIGNAL  ROUTING 


NONIDEAL  SIGNAL  TRACE  ROUTING 


IMPROVED  TRACE  ROUTING 


Figure  11.29 


Mutual  inductance 

Another  consideration  regarding  induc- 
tance is  the  separation  of  outward  and  return 
currents.  As  we  shall  discuss  in  more  detail 
later,  KirchofFs  Law  tells  us  that  current 
flows  in  closed  paths  -  there  is  always  an 
outward  and  return  path.  The  whole  path 
forms  a  single-turn  inductor.  If  the  area 
enclosed  by  the  turn  is  large  the  inductance, 
and  hence  the  AC  impedance,  will  also  be 
large,  whereas  if  the  outward  and  return 
paths  are  close  together  the  inductance  will 
be  much  smaller.  The  principle  is  illustrated 
in  Fig  11.29. 

The  nonideal  routing  in  Figure  11.29  has 
another  drawback  -  the  large  area  enclosed 
by  the  conductor  produces  extensive  external 
magnetic  fields,  which  may  interact  with 
other  circuits  and  cause  unwanted  coupling. 
Similarly  the  large  area  is  more  vulnerable 
to  interaction  with  external  magnetic  fields, 
which  can  induce  unwanted  signals  in  the 
loop.  The  basic  principle  is  illustrated  in 
Figure  11.30  and  is  a  common  mechanism  for 
the  transfer  of  unwanted  signals  (noise) 
between  circuits. 


BASIC  PRINCIPLES  OF  INDUCTIVE 
COUPLING 


As  with  most  other  sources  of  noise,  as 
soon  as  we  define  the  principle  at  work  we 
can  see  ways  of  reducing  the  effect.  In  this 
case  reducing  any  or  all  of  the  terms  in  the 
equations  in  Figure  11.30  will  reduce  the 
coupling.  Reducing  the  frequency  or  ampli- 
tude of  the  current  causing  the  interference 
may  be  impracticable  but  it  is  frequently 
possible  to  reduce  the  mutual  inductance 
between  the  interfering  and  interfered  with 
circuits  by  reducing  loop  areas  on  both  sides 
and,  possibly,  increasing  the  distance  be- 
tween them. 

PROPER  SIGNAL  ROUTING  REDUCES 
MUTUAL  INDUCTANCE 


V1  Q 


Z1 


V2 


Z2 


Figure  11.31 


INTERFERENCE  CIRCUIT 


SIGNAL  CIRCUIT 


NOISE 
SOURCE 


INTERFERENCE 
LOOP 


M  =  MUTUAL  INDUCTANCE 

B  -  MAGNETIC  FLUX  DENSITY 

A  =  AREA  OF  SiGNAL  LOOP 

wN  =  2ttI„  = 


Mutual  inductance  is  a  common  problem 
in  ribbon  cables,  especially  when  a  single 
return  is  common  to  several  signal  circuits. 
Separate  signal  and  return  lines  for  each 
signal  circuit  reduces  the  problem,  and  using 
a  cable  with  twisted  pairs  for  each  signal 
circuit  is  even  better  (but  more  expensive 
and  often  unnecessary). 


■ 


V      =   INDUCED  VOLTAGE  =  fa>„MIN  =  o»AB 


Figure  11.30 
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MUTUAL  INDUCTANCE  AND  SIGNAL  COUPLING 
IN  RIBBON  CABLE 


d 
d 


FLAT  RIBBON  CABLE  WITH  SINGLE 
RETURN  HAS  LARGE  MUTUAL 
INDUCTANCE  BETWEEN  CIRCUITS 


SEPARATE  AND  ALTERNATE  SIGNAL 
AND  RETURN  LINES  FOR  EACH  CIRCUIT 
REDUCE  MUTUAL  INDUCTANCE 


TWISTED  PAIRS  REDUCE  MUTUAL 


INDUCTANCE  STILL  FURTHER 


Shielding  magnetic  fields  to  reduce  mu- 
tual inductance  is  sometimes  possible  but  is 
by  no  means  as  easy  as  shielding  electric 
fields  with  a  Faraday  shield.  HF  magnetic 
fields  are  blocked  by  conductive  material, 
while  LF  and  DC  fields  may  be  screened  by  a 
shield  made  of  mu-metal  sheet.  Mu-metal  is 
an  alloy  having  very  high  permeability,  but  it 
is  expensive,  its  magnetic  properties  are 
damaged  by  mechanical  stress,  and  it  will 
saturate  if  exposed  to  too  high  fields.  Its  use, 
therefore,  should  be  avoided  where  possible. 


MAGNETIC  SHIELDING 


Figure  11.32 


SHIELDING 
MATERIAL 
(HIGH  ti) 


Magnetic  shielding  Is  not  as  easily  accomplished 
as  electrostatic  shielding,  but  may  be  done  at  HF 
with  a  simple  conducting  screen,  and  at  LF  and  DC 
with  a  screen  of  high  permeability  material 
such  as  Mu-metal. 


Figure  11.33 


Ringing 


An  inductor  in  series  or  parallel  with  a 
capacitor  forms  a  resonant,  or  "tuned", 
circuit,  whose  key  feature  is  that  it  shows 
marked  change  in  impedance  over  a  small 


range  of  frequency  (how  sharp  the  effect  is 
depends  on  the  Q  of  the  tuned  circuit).  The 
effect  is  widely  used  to  define  the  frequency 
response  of  narrow-band  circuitry  but  can 
also  be  a  source  of  problems. 

If  stray  inductance  and  capacitance 
(which  may  or  may  not  be  stray)  in  a  circuit 
should  form  a  tuned  circuit  then  that  tuned 
circuit  may  be  excited  by  signals  in  the 
circuit  and  ring  at  its  resonant  frequency.  A 
common  example  is  shown  in  Figure  11.34 
where  the  resonant  circuit  formed  by  an 
inductive  power  line  and  its  decoupling 
capacitor  may  be  excited  by  pulse  currents 
drawn  by  the  IC. 

RESONANT  CIRCUITS  FORMED  BY 
DECOUPLED  POWER  LINES 


rrjtp — 


IC 


1 


EQUIVALENT  CIRCUIT 
OF  DECOUPLED  POWER 
LINE  -  RESONANT  AT 


SMALL  SERIES  RESISTANCE 
CLOSE  TO  THE  IC  REDUCES 
THE  Q 


f  =- 


1 


2*\fLC~ 


Figure  11.34 

The  effect  may  be  minimized  by  lowering 
the  Q  of  the  inductance,  which  is  most  easily 
done  by  inserting  a  small  resistance  in  the 
power  line,  close  to  the  IC. 
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Parasitic  effects  in  inductors 

Although  inductance  is  one  of  the  funda- 
mental properties  of  an  electronic  circuit, 
inductors  are  less  common  as  precision 
components  than  resistors  and  capacitors. 
This  is  because  they  are  harder  to  manufac- 
ture, less  stable,  and  less  physically  robust 
than  resistors  and  capacitors.  It  is  relatively 
easy  to  manufacture  stable  precision  induc- 
tors with  inductances  from  nH  to  tens  or 
hundreds  of  uH,  but  larger  valued  devices 
tend  to  be  less  stable,  and  large. 

As  we  might  expect  in  these  circum- 
stances, circuits  are  designed,  where  pos- 
sible, to  avoid  the  use  of  precision  inductors. 
We  find  that  stable  precision  inductors  are 
relatively  rarely  used  in  precision  analog 
circuitry,  except  in  tuned  circuits  for  high 
frequency  narrow  band  applications. 

Of  course  they  are  widely  used  in  power 
filters,  switching  power  supplies  and  other 
applications  where  lack  of  precision  is  unim- 
portant. The  important  features  of  inductors 
used  in  such  applications  are  their  current 
carrying  and  saturation  characteristics,  and 
their  Q.  If  an  inductor  consists  of  a  coil  of 
wire  with  an  air  core  its  inductance  will  be 
essentially  unaffected  by  the  current  it  is  car- 
rying, but  if  it  is  wound  on  a  core  of  a  mag- 
netic material  (magnetic  alloy  or  ferrite)  its 
inductance  will  be  non-linear  since  at  high 
currents  the  core  will  start  to  saturate. 


STRAY  CAPACITANCE  MAKES  ALL 
INDUCTORS  INTO  TUNED  CIRCUITS 

 o      RESONANT  FREQUENCY  = 


SATURATION 


■  Inductors  with  solid  cores  (magnetic  alloy  or 
ferrite) 

will  behave  non-linearly 

if  required  to  carry  too  much  current. 

■  This  is  unlikely  to  be  a  direct  problem  in 
precision  circuitry  but  may  affect  power  supply 
noise  performance  and  thus  affect  precision 
circuitry  indirectly. 

Figure  11.35 

Such  saturation  will  reduce  the  efficiency 
of  the  circuitry  employing  the  inductor  and  is 
liable  to  increase  noise  and  harmonic  genera- 
tion. 

As  mentioned  above,  inductors  and  capaci- 
tors together  form  tuned  circuits.  Since  all  in- 
ductors will  have  some  stray  capacity,  all 
inductors  will  have  a  resonant  frequency 
(which  will  normally  be  published  on  their 
data  sheet)  and  should  only  be  used  as 
precision  inductors  at  frequencies  well  below 
this. 


L 


f  = 


1 


STRAY  C 


Figure  11.36 


Q  or  "Quality  Factor" 

The  other  parasitic  characteristic  of  induc- 
tors is  their  Q  (or  "Quality  Factor"),  which  is 
the  ratio  of  their  reactive  impedance  to  their 
resistance. 

Q  =  2  n  f L/R 

It  is  rarely  possible  to  calculate  the  Q  of 
an  inductor  from  its  DC  resistance  since  skin 
effect  (and  core  losses  if  the  inductor  has  a 
magnetic  core)  ensure  that  the  Q  of  an  induc- 
tor at  high  frequencies  is  always  lower  than 
that  predicted  from  DC  values. 

Q  is  also  a  characteristic  of  tuned  circuits 
(and  of  capacitors  -  but  capacitors  generally 
have  sufficiently  high  values  of  Q  that  it  may 
be  disregarded  for  most  practical  purposes). 
The  Q  of  a  tuned  circuit,  which  is  generally 
very  similar  to  the  Q  of  its  inductor  (unless  it 
is  deliberately  lowered  by  the  use  of  an 
additional  resistor),  is  a  measure  of  its  band- 
width around  resonance. 

Q  or  "QUALITY  FACTOR" 


■  The  Q  of  an  inductor  or  resonant  circuit  is  a 
measure  of  the  ratio  of  Its  reactance  to  Its 

re8'8,anCe-     Q  =  2k  fL/R 

■  The  resistance  is  the  HF  and  NOT  the  DC  Value. 


dB  bandwidth  of  a  single  tuned  circuit  is 
c  is  the  center  frequency. 


Figure  11.37 


LC  tuned  circuits  rarely  have  Q  of  much 
more  than  100  (3  dB  bandwidth  of  1%)  but 
ceramic  resonators  may  have  Q  of  thousands 
and  quartz  crystals  have  Q  of  tens  of  thou- 
sands. 
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Grounding  &  Signal  Routing 


A  MORE  REALISTIC  GROUND 


Signal  return  currents 

Kirchoff's  Law  tells  us  that  at  any  point  in 
a  circuit  the  algebraic  sum  of  the  currents  is 
zero.  This  tells  us  that  all  currents  flow  in 
circles  and,  particularly,  that  the  return 
current  must  always  be  considered  when 
analyzing  a  circuit.6 

KIRCHOFF'S  LAW 


i 

ADC 

SIGNAL 
SOURCE 

GROUND  RETURN  CURRENT 

AT  ANY  POINT  IN  A  CIRCUIT 
THE  ALGEBRAIC  SUM  OF  THE  CURRENTS  IS  ZERO 
OR 

WHAT  GOES  OUT  MUST  COME  BACK 
WHICH  LEADS  TO  THE  CONCLUSION  THAT 
ALL  VOLTAGES  ARE  DIFFERENTIAL 
(EVEN  IF  THEY'RE  GROUNDED) 

Figure  11.38 

Most  people  consider  the  return  current 
when  considering  a  fully  differential  circuit, 
but  when  considering  the  more  usual  circuit 
where  a  signal  is  referred  to  "ground"  it  is 
common  to  assume  that  all  the  points  on  the 
circuit  diagram  where  the  ground  symbol  is 
to  be  found  are  at  the  same  potential.  This  is 
unwise. 

THE  IDEAL  GROUND 


SIGNAL 
SOURCE 

SIGNAL 

ADC 

INFINITE  CONDUCTIVITY  ... 
ZERO  VOLTAGE 


Figure  11.39 


Ground  noise  &  ground  loops 

A  more  realistic  model  of  ground  is  shown 
in  Figure  11.40.  Not  only  does  the  return 
current  flow  in  the  complex  impedance  which 
exists  between  the  two  "ground"  points 
shown  in  Figure  11.39,  giving  rise  to  a  volt- 
age drop  in  the  total  signal  path,  but  exter- 
nal currents  may  also  flow  in  the  same  path, 
generating  uncorrelated  noise  voltages  which 
are  seen  by  the  ADC. 


SIGNAL 
SOURCE 


VOLTAGE  DUE  TO  SIGNAL  CURRENT 
■  AND  (PERHAPS)  EXTERNALCURRENT 

FLOWING  IN  GROUND  IMPEDANCE 
 W  


(EXTERNAL 
CURRENT 


Figure  11.40 

It  is  evident,  of  course,  that  other  currents 
can  only  flow  in  the  ground  impedance  if 
there  is  a  current  path  for  them.  Figure 
11.40  shows  such  a  path  at  "ground"  poten- 
tial, which  is  the  notorious  "Ground  Loop", 
but  equally  severe  problems  could  be  caused 
by  a  circuit  sharing  an  unlooped  ground 
return  with  the  signal  source  but  drawing  a 
large  and  varying  current  from  its  supply 
and  ground  return. 

ANY  CURRENT  FLOWING 
IN  A  COMMON  GROUND  MAKES  NOISE; 
A  GROUND  LOOP  IS  NOT  NECESSARY 


HIGH 
CURRENT 
CIRCUIT 


V  =  VOLTAGE  DUE  TO  SIGNAL  CURRENT  AND 
CURRENT  FROM  HIGH  CURRENT  CIRCUIT 
FLOWING  IN  GROUND  IMPEDANCE 


Figure  11.41 

It  is  evident  from  Figure  42  that  if  a 
ground  network  contains  loops  there  is  a 
greater  danger  of  it  being  vulnerable  to 
EMFs  induced  by  external  magnetic  fields, 
and  of  ground  current  "escaping"  from  high 
current  areas  to  cause  noise  in  sensitive 
regions.  For  these  reasons  ground  loops  are 
best  avoided. 

However,  there  are  situations  where 
looped  grounds  are  unlikely  to  cause  unac- 
ceptable noise  and  the  configuration  may 
actually  offer  benefits  in  the  form  of  safety  or 
reduced  impedance.  In  such  circumstances 
the  optimum  ground  arrangement  may 
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GROUND  LOOP 


CLOSING  S1  FORMS  A  GROUND  LOOP. 


NOISE  MAY  COME  FROM: 

■  MAGNETIC  FLUX  CUTTING  THE  GROUND 
LOOP 

■  A'S  GROUND  CURRENT  FLOWING  IN  B'S 
GROUND  IMPEDANCE 

■  B'S  GROUND  CURRENT  FLOWING  IN  A'S 
IMPEDANCE 


Figure  11.42 


contain  loops.  Sensible  engineers  should  not 
allow  the  almost  superstitious  dread  inspired 
by  the  term  "ground  loop"  to  prevent  the 
adoption  of  such  designs,  if  careful  analysis 
and  experiment  has  shown  that  they  actually 
are  optimum. 

There  are  a  number  of  possible  ways  of 
attacking  the  problem  of  ground  noise,  apart 
from  the  (presently)  impracticable  one  of 
using  superconducting  grounds.  It  is  rare  for 
a  single  method  to  be  used  to  the  exclusion  of 
all  others,  and  systems  generally  contain  a 
mixture  of  approaches.  For  the  purposes  of 
description,  however,  it  is  better  to  describe 
each  approach  separately. 

Star  (Mecca)  Grounds 

The  "star"  or  "Mecca"  ground  philosophy 
builds  on  the  theory  that  there  is  a  single 
point  in  a  circuit  to  which  all  voltages  are 
referred.  This  is  known  as  the  "star"  or 
"Mecca"  point. 

STAR  (MECCA)  GROUNDS 

If  all  signal  voltages  in  a  system  are  measured 
with  respect  to  a  single  point,  that  point  is  said 
to  be  the  sfar  ground  of  the  system. 


Figure  11.43 

This  philosophy  is  reasonable  but  fre- 
quently encounters  practical  difficulties.  For 
example  if  we  design  a  system  with  a  star 
ground,  drawing  all  the  signal  paths  to 
minimize  signal  interaction  and  the  effects  of 
high  impedance  signal  or  ground  paths,  we 
frequently  find,  when  the  power  supplies  are 
added  to  the  circuit  diagram,  that  tie  power 
supplies  either  add  unwanted  ground  paths 


or  that  supply  currents,  flowing  in  existing 
ground  paths,  are  sufficiently  large,  or  noisy, 
or  both,  as  to  corrupt  the  signal  transmis- 
sion. This  problem  may  often  be  avoided  by 
having  separate  power  supplies  for  different 
parts  of  the  circuit  -  separate  analog  and 
digital  supplies,  and  separate  analog  and 
digital  grounds  joined  at  the  star  point,  are 
common  in  mixed  signal  applications. 

Separate  analog  and  digital  grounds 

Digital  circuitry  is  noisy.  Saturating  logic 
draws  large  fast  current  spikes  from  its 
supply  during  switching  and,  having  noise 
immunity  of  hundreds  of  millivolts  or  more, 
has  little  need  of  high  levels  of  supply  decou- 
pling. 

Analog  circuitry,  on  the  other  hand,  is 
very  vulnerable  to  noise  in  supplies  or 
grounds.  It  is  therefore  sensible  to  separate 
analog  and  digital  circuitry  to  prevent  digital 
noise  from  corrupting  analog  performance. 
Such  separation  will  involve  separation  of 
both  grounds  and  power  supplies,  which  may 
be  inconvenient  in  a  mixed  signal  system. 
Nevertheless,  if  a  system  is  to  give  the  full 
performance  of  which  it  is  capable  it  is  often 
essential  to  have  separate  analog  and  digital 
grounds  and  power  supplies.  The  fact  that 
some  analog  circuitry  will  operate  from  a 
single  +5  V  supply  does  NOT  mean  that  it 
may  safely  be  operated  from  the  same  noisy 
+5  V  supply  as  the  microprocessor  and  dy- 
namic RAM,  the  electric  fan,  and  the  solenoid 
jackhammer! 
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SUPPLY  &  GROUND  NOISE 

Digital  circuitry  is  noisy 

Analog  circuitry  is  quiet 

Circuit  noise  from  digital  circuitry  carried  by 
power  and  ground  leads  can  corrupt  precision 


analog  circuitry 


■  It  is  advisable  to  separate  the  power  and  ground 
of  the  digital  and  analog  parts  of  a  system 

■  Analog  and  digital  grounds  must  be  joined  at 
ONE  point 

Figure  11.44 

However,  analog  and  digital  ground  in  a 
system  must  be  joined  at  some  point  to  allow 
signals  to  be  referred  to  a  common  potential. 
This  star  point,  or  analog/digital  common 
point,  is  chosen  so  that  it  does  not  introduce 
digital  currents  into  the  ground  of  the  analog 
part  of  the  system  -  it  is  often  convenient  to 
make  the  connection  at  the  power  supplies. 

Many  ADCs  and  DACs  have  separate 
"analog  ground"  and  "digital  ground"  pins, 
and  users  are  advised,  on  the  data  sheets,  to 
connect  these  pins  together  at  the  device 
package.  This  seems  to  conflict  with  the 
advice  to  connect  analog  and  digital  ground 
at  the  power  supplies,  and,  in  systems  with 
more  than  one  converter,  with  the  advice  to 
join  the  analog  and  digital  ground  at  a  single 
point. 

ANALOG  GROUND  &  DIGITAL  GROUND 

.  ■ 

■  Monolithic  &  hybrid  ADCs  frequently  have 
separate  AGnd  &  DGnd  pins  which  must  be 
joined  together  at  the  device. 

■  This  is  not  done  from  a  desire  to  be  difficult,  but 
because  the  voltage  drop  in  the  bondwires  is 
too  large  to  allow  the  connection  to  be  made 
internally. 

■  The  best  solution  to  the  grounding  problem 
arising  from  this  requirement  is  to  connect  both 
pins  to  system  "analog  ground". 

■  It  is  likely  that  neither  the  digital  noise  so 
introduced  in  the  system  AGnd,  nor  the  loss  of 
digital  noise  immunity,  will  seriously  affect  the 
system  performance. 

Figure  11.45 

There  is,  in  fact,  no  conflict.  The  labels 
"analog  ground"  and  "digital  ground"  on 
these  pins  refer  to  the  parts  of  the  converter 
to  which  the  pins  are  connected,  and  not  to 
the  system  grounds  to  which  they  must  go. 


In  general  these  two  pins  should  be  joined 
together  and  to  the  analog  ground  of  the 
system.  It  is  not  possible  to  join  the  two  pins 
within  the  IC  package  because  the  analog 
part  of  the  converter  cannot  tolerate  the 
voltage  resulting  from  the  digital  current 
flowing  in  the  bond  wire  to  the  chip. 

If  these  pins  are  connected  in  this  way  the 
digital  noise  immunity  of  the  converter  is  di- 
minished by  the  amount  of  common-  mode 
noise  between  the  digital  and  analog  system 
grounds.  Since  digital  noise  immunity  is  of 
the  order  of  hundreds  or  thousands  of  milli- 
volts this  is  unlikely  to  be  important. 

ANALOG  GROUND  (AGND) 
AND  DIGITAL  GROUND  (DGND) 
OF  ADCs/DACs 
SHOULD  BE  RETURNED 
TO  SYSTEM  ANALOG  GROUND 


EXTERNAL 
DIGITAL  CURRENT 
RETURNS  THROUGH 
LOW  IMPEDANCE 
ANALOG  GROUND 


Figure  11.46 

The  analog  noise  immunity  is  diminished 
only  by  the  external  digital  currents  of  the 
converter  itself  flowing  in  the  analog  ground. 
These  currents  should  be  quite  small,  and 
can  be  minimized  by  ensuring  that  the 
converter  outputs  do  not  drive  large  fanouts. 
If  the  logic  supply  to  the  converter  is  isolated 
with  a  small  resistance  and  decoupled  to 
analog  ground  with  a  O.luF  capacitor  sited 
as  close  to  the  converter  as  possible  all  the 
internal  digital  currents  of  the  converter  will 
return  to  ground  through  the  capacitor  and 
will  not  appear  in  the  external  ground  cir- 
cuit. If  the  analog  ground  impedance  is  as 
low  as  it  should  be  for  adequate  analog 
performance  the  additional  noise  due  to  the 
external  digital  ground  current  should  rarely 
present  a  problem. 
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Ground  planes 

Related  to  the  star  ground  system  is  the 
use  of  a  ground  plane.  One  side  of  a  double- 
sided  PCB,  or  one  layer  of  a  multi-layer  one, 
is  made  of  continuous  metal,  which  is  used  as 
ground.  The  theory  behind  this  is  that  the 
large  amount  of  metal  will  have  low  resis- 
tance and  as  low  inductance  as  is  possible. 


GROUND  PLANES 

One  entire  side  or  layer  of  a  PCB  is  continuous 
grounded  conductor. 

This  gives  minimum  ground  resistance  and 
inductance  but  is  not  always  sufficient  to  solve 
all  grounding  problems. 

Breaks  in  ground  planes  can  improve  or 
degrade  circuit  performance  -  there  is  no  general 
rule. 

Twenty  years  ago  ground  planes  were  difficult 
to  fabricate.  Today  they  are  not. 

If  your  PCB  facility  objects  to  fabricating  ground 
planes  -  GET  A  NEW  PCB  FACILITY! 

Figure  11.47 


It  is  sometimes  argued  that  ground  planes 
should  not  be  used  because  they  are  liable  to 
introduce  problems  in  manufacture  and 
assembly.  Such  an  argument  may  have  had  a 
limited  validity  twenty  years  ago  when  PCB 
adhesives  were  less  well  developed,  wave- 
soldering  less  reliable,  and  solder  resist 
techniques  less  well  understood,  but  today  it 
should  not  be  tolerated. 

Ground  planes  solve  many  ground  imped- 
ance problems,  but  not  all.  Even  a  continu- 
ous sheet  of  copper  foil  has  residual  resis- 
tance and  inductance  and  in  some  circum- 
stances they  can  be  enough  to  prevent  proper 
circuit  function.  Figure  11.48  shows  such  a 
problem  -  and  a  possible  solution. 

Consider  a  ground-plane  PCB  100  mm 
wide  with  a  ground  connection  at  one  end 
and  a  power  amplifier  at  the  other  drawing 
15A.  If  the  ground  plane  is  0.038  mm  thick 
and  15  A  flows  in  it  there  will  be  a  voltage 
drop  of  68  uV/mm.  This  voltage  drop  would 
cause  quite  serious  problems  to  any  ground- 
referenced  precision  circuitry  sharing  the 
PCB.  However,  if  we  slit  the  ground  plane  so 
that  high  current  does  not  flow  in  the  region 
of  the  precision  circuitry  we  can  possibly 
solve  the  problem  -  even  though  the  voltage 
gradient  will  increase  in  those  parts  of  the 
ground  plane  where  the  current  does  flow. 


A  SLIT  IN  A  GROUND  PLANE  CAN 
RECONFIGURE  CURRENT  FLOW 
FOR  BETTER  ACCURACY 
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Figure  11.48 


Transmission  lines 

A  break  in  a  ground  plane  is  not  always  a 
good  thing.  We  earlier  considered  the  benefits 
of  outward  and  return  signal  paths  being 
close  together  so  that  inductance  is  mini- 
mized. As  we  saw  in  Figure  11.7,  when  an 
HF  signal  flows  in  a  PC  track  running  over  a 
ground  plane  the  arrangement  functions  as  a 
microstrip  transmission  line  and  the  majority 
of  the  return  current  flows  in  the  ground 
plane  underneath  the  line. 

The  characteristic  impedance  of  the  line 
will  depend  upon  the  width  of  the  track  and 
the  thickness  and  dielectric  constant  of  the 
PCB  material.  For  most  lower  frequency 
applications  the  characteristic  impedance 
will  be  unimportant,  as  the  line  will  not  be 
correctly  terminated,  but  at  UHF  and  higher 

MICROSTRIP  TRANSMISSION  LINE 

CONDUCTOR  - 

.  


GROUND  PLANE 


Figure  11.49 


24-72  MISCELLANEOUS 


BREAKS  IN  GROUND  PLANE  RAISE  INDUCTANCE 


VIEW  FROM 
CONDUCTOR 
SIDE  OF  PCB 


BREAK  IN  GROUND  PLANE 

CROSSOVER  ON 
GROUND  PLANE  SIDE 


RETURN  CURRENT  B 
DIVERTS  AROUND 
BREAK  IN  GROUND 
PLANE  RAISING 


INDUCTANCE 


.SIGNAL 
CURRENT  A 


RETURN  CURRENT  A 
DIVERTS  AROUND  BREAK 
IN  GROUND  PLANE 
RAISING  INDUCTANCE 


|  SIGNAL  CURRENT  B 
■  RETURN  CURRENTS  A  AND  B  MAY  INTERACT 


Figure  11.50 


it  is  possible  to  use  PCB  tracks  as  microstrip 
transmission  lines  in  properly  terminated 
systems.  If  losses  in  such  systems  are  to  be 
minimized  the  PCB  material  must  be  chosen 
for  low  high  frequency  loss.  This  usually 
means  the  use  of  expensive  teflon  PCB 
material. 

Where  there  is  a  break  in  the  ground 
plane  under  a  conductor  the  return  current 
must  flow  around  the  break  and  both  the 
inductance  and  the  vulnerability  of  the 
circuit  to  external  fields  are  increased. 

Where  such  a  break  is  made  to  allow  a 
crossover  of  two  perpendicular  conductors  it 
would  be  far  better  if  the  second  signal  were 
carried  across  both  the  first  and  the  ground 
plane  by  means  of  a  piece  of  wire.  The 
ground  plane  then  acts  as  a  shield  between 
the  two  signal  conductors,  and  the  two 
ground  return  currents,  flowing  in  opposite 
sides  of  the  ground  plane  as  a  result  of  skin 
effects,  do  not  interact. 

With  a  multi-layer  board  both  the  cross- 
over and  the  continuous  ground  plane  can  be 
accommodated  without  the  need  for  a  wire 
link,  Multi-layer  PCBs  are  expensive  and 
harder  to  trouble-shoot  than  simple  double- 
sided  boards  but  do  offer  even  better  shield- 
ing and  signal  routing.  The  principles  in- 
volved remain  unchanged  but  the  range  of 
layout  options  is  increased. 

Use  of  double-sided  or  multi-layer  board 
with  at  least  one  continuous  ground  plane  is 
undoubtedly  one  of  the  most  successful 
approaches  to  the  design  of  high  performance 
mixed  signal  circuitry.  Often  the  impedance 


of  the  ground  plane  is  sufficiently  low  to 
permit  the  use  of  a  single  ground  plane  for 
both  analog  and  digital  parts  of  the  system, 
but  this  does  depend  upon  the  resolution  and 
bandwidth  required  and  the  amount  of 
digital  noise  in  the  system. 

System  grounds 

In  systems  where  there  are  several  PCBs 
grounding  may  be  more  of  a  problem.  At  first 
sight  it  would  appear  that  the  problem  is 
similar  to  that  of  a  single  PCB  where  par- 
ticular subsystems  must  be  positioned  so 
that  large  ground  currents  do  not  flow  where 
ground  noise  must  be  minimized  -  in  a  multi- 
card  system  the  grounds  of  individual  PCBs 
must  be  interconnected  so  that  such  harmful 
interactions  are  minimized. 

There  are  three  problems  with  this.  First 
of  all  there  is  far  less  opportunity  for  rear- 
ranging the  physical  layout  of  a  system 
consisting  of  a  few  cards  connected  to  a 
common  backplane.  Secondly  many  multi- 
card  systems  are  designed  to  be  reconfigured 
in  a  "mix  'n'  match"  arrangement  to  allow 
large  numbers  of  system  options  -  it  can  be 
impossible  to  predict  what  systems  are  going 
to  be  required  and  to  ensure  that  all  of  them 
are  noise  free.  Finally,  multicard  systems  are 
likely  to  have  higher  ground  currents  than 
occur  on  single,  relatively  simple,  PCBs  -  but 
these  currents  must  flow  in  the  higher  im- 
pedances which  are  associated  with  the 
intercard  connectors  even  when  multiple 
ground  pins  are  used. 
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and  capacitance  and  mutual  inductance 
coupling  must  be  avoided.  Nevertheless,  it 
must  be  accepted  that  situations  can  arise 
where  it  is  not  possible  to  transfer  a  high 
speed,  high  accuracy  signal  from  one  PCB  to 
another  without  unacceptable  signal  degra- 
dation. 

MULTIPLE  CARD  SYSTEMS 

■  Multiple  card  systems  are  likely  to  have  higher 
ground  currents  and  higher  ground  impedances 
than  are  found  on  a  single  PCB. 

■  It  is  therefore  more  difficult  to  transfer  ground- 
referenced  signals  accurately  between  cards 
than  across  a  PCB. 

■  In  some  cases  it  will  be  IMPOSSIBLE  to  transfer 
ground-referenced  signals  between  PCBs 
without  unacceptable  loss  of  quality. 


Figure  11.51 

The  best  way  of  minimizing  ground  im- 
pedance in  a  multicard  system  is  to  use 
another  PCB  as  a  backplane  and  have  a 
ground  plane  (or  even  two  -  one  analog,  one 
digital)  on  that  mother  card.  If  the  earlier 
advice  about  multiple  ground  pins  has  been 
observed  this  arrangement  is  capable  of 
excellent  performance.  Where  there  are 
several  card  cages  (racks  for  PCBs)  the 
ground  planes  of  the  several  mother  boards 
must  be  tied  together  and,  probably,  to  the 
metal  chassis  holding  the  card  cages  -  the 

STAR  ANALOG  GROUND 
IN  A  MULTICARD  SYSTEM 
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socKeis  must  De  wirea  togemer,  wiin  aue 
attention  to  probable  current  flows  and 
common  ground  impedances,  with  heavy, 
multi-strand  wire,  having  as  low  resistance 
as  possible.  In  many  cases  the  resulting 
ground  screen  will  be  tied  to  chassis  ground 
at  a  number  of  points  but  it  will  sometimes 
be  better  to  join  them  at  a  single  star  point. 

It  is  not  just  the  ground  layout  that  is 
important  in  high  performance  mixed  signal 
systems,  the  siting  of  different  subsystems 
and  the  routing  of  signals  is  most  important 
in  determining  overall  system  performance. 


Signal  routing 

It  is  evident  that  we  can  minimize  noise 
by  paying  attention  to  the  system  layout  and 
preventing  different  signals  from  interfering 
with  each  other.  High  level  analog  signals 
should  be  separated  from  low  level  analog 
signals,  and  both  should  be  kept  away  from 
digital  signals.  We  have  seen  elsewhere  that 
in  waveform  sampling  and  reconstruction 
systems  the  sampling  clock  (which  is  a 
digital  signal)  is  as  vulnerable  to  noise  as 
any  analog  signal,  but  is  as  liable  to  cause 
noise  as  any  digital  signal,  and  so  must  be 
kept  isolated  from  both  analog  and  digital 
systems. 

SIGNAL  ROUTING 
IN  MIXED  SIGNAL  SYSTEMS 


Physically  Separate  Analog  and  Digital  Signals 

Avoid  Crossovers  Between  Analog  and  Digital 
Signals 


Be  Careful  with  Sampling  Clock  and  A/D 
Converter  Analog  Input  Runs 

Be  Careful  with  High  Impedance  Points 

Use  Lots  of  Ground  Plane 

Use  Microstrip  Techniques  for  Controlled 
Impedances 


Schottky  diodes  protect  cards  In  the  event  of 
loss  of  analog  ground 

This  grounding  system  may  be  Inadequate  at 

high  resolution  or  where  large  ground  currents  flow 

This  MAY  permit  accurate  Intercard  transmission 
of  ground  referenced  signals 

Figure  11.52 


Figure  11.53 

If  a  ground  plane  is  used,  as  it  should  in 
be  most  cases,  it  can  act  as  a  shield  where 
sensitive  signals  cross.  Figure  11.54  shows  a 
good  layout  for  a  data  acquisition  system 
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where  all  sensitive  areas  are  isolated  from 
each  other  and  signal  paths  are  kept  as  short 
as  possible.  While  real  life  is  rarely  as  tidy  as 
this  the  principle  remains  a  valid  one. 
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Figure  11.54 

There  are  a  number  of  important  points  to 
be  considered  when  making  signal  and  power 
connections.  First  of  all  a  connector  is  one  of 
the  few  places  in  the  system  where  all  signal 
conductors  must  run  parallel  -  it  is  therefore 
a  good  idea  to  separate  them  with  ground 
pins  to  reduce  coupling  between  them. 


EDGE  CONNECTIONS 

■  Separate  sensitive  signals  by  ground  pins 

■  Keep  down  ground  impedance  with  multiple 
(20-30%  of  total)  ground  pins 

■  Have  several  pins  for  each  power  line 

■  Critical  signals  may  require  a  separate 
connector  (possibly  co-ax) 

Figure  11.55 

Multiple  ground  pins  are  important  for 
another  reason:  they  keep  down  the  ground 
impedance  at  the  junction  between  the  board 
and  the  backplane.  The  contact  resistance  of 
a  single  pin  of  a  PCB  connector  is  quite  low 
(of  the  order  of  10  mohms)  when  the  board  is 
new  -  as  the  board  gets  older  the  contact 
resistance  is  likely  to  rise,  and  the  board's 
performance  may  be  compromised.  It  is 
therefore  well  worthwhile  to  afford  extra 
PCB  connector  pins  so  that  there  are  many 
ground  connections  (perhaps  20-30%  of  all 
the  pins  on  the  PCB  connector  should  be 


ground  pins).  For  similar  reasons  there 
should  be  several  pins  for  each  power  connec- 
tion, although  there  is  no  need  to  have  as 
many  as  there  are  ground  pins. 

Modern  high  performance  mixed  signal 
systems  handle  signals  with  resolutions  of  8 
bits  at  sampling  rates  of  over  500  MHz  and 
resolutions  of  14  bits  sampled  at  more  than 
10  MHz.  Preserving  signal  integrity  between 
cards  in  a  multi-card  system  is  extremely 
difficult  at  such  performance  levels  and  may 
be  impossible. 

DIFFERENTIAL  TRANSMISSION 
MINIMIZES  GROUND  ERRORS 


■  At  DC  and  LF  the  receiver  will  be  an 
instrumentation  amplifier 

■  At  HF  the  receiver  will  be  a  transformer 

■  There  is  no  Ideal  receiver  for  video  signals 
which  have  components  from  DC  to  HF 

Figure  11.56 

The  use  of  balanced  transmission  lines 
can  help  but  if  the  signal  bandwidth  extends 
to  DC  there  will  be  a  need  for  a  very  high 
performance  instrumentation  amplifier  at 
the  receiving  end  to  restore  a  ground  refer- 
enced signal. 

VIDEO  SIGNAL  TRANSMISSION 

■  It  is  often  impossible  to  transmit  very 
broadband  high  accuracy  signals  between  the 
PCBs  of  a  multicard  system  without 
unacceptable  loss  of  quality. 

■  In  such  cases  the  system  must  be 
reconfigured  to  allow  all  the  analog 
processing  to  take  place  on  a  single  PCB. 

■  It  may  be  inconvenient,  but  it's  the  only  way 
you'll  get  it  to  work! 

Figure  11.57 

The  best,  and  in  many  cases  the  only, 
solution  to  problems  of  this  sort,  is  to  parti- 
tion the  system  so  that  the  highest  quality 


signals  are  no 
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Power  Supplies 

When  we  design  an  electronic  circuit  we 
generally  assume  that  the  power  supplies 
provide  noise-free  power,  at  exactly  the 
nominal  voltage,  with  zero  source  impedance 
at  all  frequencies.  This  is  rarely  the  case. 

We  also  assume  that  the  published  power 
supply  rejection  figures  (PSRR)  for  the  de- 
vices which  we  use  are  valid  at  all  frequen- 
cies from  DC  to  light.  This  is  rarely  the  case 
either. 

POWER  SUPPLY  NOISE 

■  Long-term  voltage  variation 
(Long-term  variations  in  voltage  or  AC  line 
voltage) 

■  AC  Line  noise 

(Both  100/120  Hz  ripple  on  rectifier  output  and 
transient  noise  on  the  AC  line  which  passes  to 
the  DC  output) 

■  Switching  noise 

(Digital  noise  from  switching-mode  power 
supplies) 

■  Power  line  noise  transfer 

(Unwanted  signals  which  pass  from  one  part 
of  a  circuit  to  another  via  the  common  power 
supply) 

Figure  11.58 

Power  supply  noise 

Every  power  supply  is  noisy.  This  noise 
may  contain  long-term  voltage  drift,  line 
ripple  at  100  or  120  Hz,  high  frequency 
spikes  from  switching  regulators,  or  all  of 
these  at  once.  Power  supplies  also  have  finite 
output  impedance,  so  that  if  a  circuit  draws  a 
varying  current  the  supply  voltage  will  vary 
with  the  current  -  if  two  circuits  are  supplied 
from  a  common  supply  this  provides  a 
mechanism  whereby  one  circuit  may  affect 
the  other.  Once  we  appreciate  all  these 
effects  we  can  attempt  to  quantify  them,  and 
take  steps  to  minimize  their  adverse  effects 
on  our  systems. 

Long-term  supply  voltage  changes, 
whether  due  to  battery  voltage  drop  during 
life  or  line  voltage  variations,  are  rarely  a 
problem  since  where  such  variations  might 
cause  difficulties  the  system  will  incorporate 
a  supply  voltage  regulator  to  keep  variations 
within  acceptable  limits.  Similarly  ripple  at 
twice  the  AC  line  frequency,  and  any  spikes 
or  HF  noise  which  may  enter  the  system  via 
the  AC  supply,  should  not  cause  degradation 
of  performance  in  a  well-designed  system:  if 


the  decoupling  capacitors  in  the  rectifier 
circuitry  do  not  adequately  minimize  the 
effect,  the  series  regulator  almost  certainly 
will.  It  is,  however,  always  worthwhile  to 
have  a  surge  eliminator  on  the  AC  line  input 
to  any  system  -  while  such  a  circuit  is  un- 
likely to  be  needed  in  preventing  normal  line 
noise  from  currupting  system  performance,  it 
is  essential  to  prevent  occasional  large  surges 
(from  lightning  or  similar  causes)  from  doing 
actual  damage  to  the  power  supply  or  the 
system  that  it  is  powering. 

Switching-mode  power  supplies 

The  commonest  type  of  power  supply  noise 
is  switching  noise.  Switching  power  supplies 
are  small,  cheap,  efficient  and,  in  too  many 
cases,  extremely  noisy!  Not  only  do  they 
generate  conducted  noise,  they  are  also 
efficient  producers  of  capacitively  coupled 
noise,  magnetically  coupled  noise,  and 
electromagnetically  coupled  noise.  The  best 
possible  advice  is  not  to  use  them. 

SWITCHING-MODE  POWER  SUPPLIES 

■  Generate  every  imaginable  type  of  noise  and 
some  inconceivable  ones  as  well! 

■  DO  NOT  USE  THEM  WHERE  NOISE  IS 
IMPORTANT. 

■  If  their  use  is  unavoidable  do  not  relax  and  enjoy 
it,  but  take  extreme  precautions  against  all  forms 
of  noise. 

■  Remember  that  a  manufacturer's  design  change 
in  a  bought-in  switching-mode  power  supply 
may  alter  its  effects  on  your  system  noise 
without  altering  its  published  specification. 

Figure  11.59 

It  is,  unfortunately,  not  always  possible  to 
avoid  the  use  of  switching  power  supplies. 
Where  they  must  be  used  they  must  be 
treated  with  the  gravest  suspicion  and  all 
possible  precautions  should  be  taken  to 
prevent  their  noise  from  corrupting  the 
analog  circuits  that  they  power.  Their  input 
and  output  lines  should  be  decoupled  at  all 
frequencies,  they  should  be  shielded  to 
prevent  external  electric  and  magnetic  fields 
from  causing  interference,  and  they  should 
be  sited  as  far  as  possible  from  sensitive 
circuits  so  that  residual  electric  and  magnetic 
fields  are  prevented  by  distance  from  doing 
serious  damage. 
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Where  switching  supplies  are  used  it  is 
always  worthwhile  to  remove  them  tempo- 
rarily and  supply  the  system  with  batteries 
or  a  low  noise  bench  supply  in  order  to  deter- 
mine if  the  system  performance  is  being 
compromised  by  the  switching  supply.  It 
often  is. 

The  noise  transients  on  the  output  lines  of 
switching  supplies  consist  of  voltage  spikes  of 
very  short  duration.  As  we  have  pointed  out 
above,  large  capacitors,  such  as  electrolytic 
or  plastic  film  types,  have  quite  considerable 
inductance  and  too  high  an  impedance  at  HF 
to  decouple  such  spikes  satisfactorily.  The 
best  output  filter  for  a  switching  supply  will 
have  high  value  capacitors  to  remove  the  low 
frequency  noise  which  will  also  be  present, 
and  a  pi  filter  using  ceramic  capacitors,  with 
short  leads  having  low  impedance  at  HF,  plus 
a  series  inductor  (which  may  be  a  ferrite 
bead  on  the  output  fine)  to  provide  inductive 
blocking  of  the  spikes.  It  is  possible  to  buy 
such  a  pi  filter  as  a  single  bulkhead  mounted 
feedthrough  component. 


Electromagnetic  Interference 
Radio  frequency  interference 

Noise  can  enter  a  circuit  as  electromag- 
netic radiation.  Circuits  can  also  generate 
electromagnetic  radiation  which  can  interfere 
with  electronic  devices  at  quite  considerable 
distances  away.  Recent  legislation  in  the 
United  States,  the  European  Community  and 
many  other  countries  sets  limits  on  the 
amount  of  interference  generated  and  the 
vulnerability  of  circuits  to  such  interference.7 

This  legislation,  and  the  techniques 
needed  to  comply  with  it,  are  the  subjects  of 
many  seminars  and  training  courses,  and  an 
Analog  Devices  Application  Note.8  It  is  not 
proposed  to  cover  the  topics  in  detail  in  this 
seminar. 


ELECTROMAGNETIC 
NOISE  GENERATION 

Circuits  must  be  designed  so  that  external  E/M 
fields  are  minimized. 

This  is  done  by  shieldii 
minimizing  the  area  of  H 
designing  circuits 
possible. 

ITS  NOT  JUST  A  GOOD  IDEA 
ITS  THE  LAW! 

Figure  11.60 


However,  the  principles  of  minimizing 
external  radiation  are  closely  related  to  the 
principles  of  low  noise  design  which  we  have 
already  discussed:  high  frequency  and  high 
dV/dT  signals  should  be  screened  with  Fara- 
day shields,  the  area  of  current  loops  should 
be  minimized,  conductors  should  be  de- 
coupled at  HF  wherever  unnecessary  HF 
signals  might  otherwise  occur,  and  external 
wires  should  be  isolated  with  inductors  or 
ferrite  beads. 

It  is  still  too  common  at  seminars  like  this 
to  encounter  skepticism  about  the  need  to 
protect  circuitry  from  external  electromag- 
netic fields.  Even  twenty  years  ago  such 
skepticism  was  unjustified  but  today,  when 
transmitters  are  ubiquitous,  it  is  folly.  Be- 
sides the  more  obvious  broadcast,  emergency 
and  mobile  radio  services  there  are  cellular 
and  cordless  telephones,  radar,  garage  door 
openers  and  other  remote  controls,  telemetry, 
and  amateur  and  CB  radio.  For  any  designer 
to  imagine  that  his  circuit  will  never  encoun- 
ter a  radio  transmitter  during  its  lifetime  is 
folly  on  a  grand  scale. 


ELECTROMAGNETIC 
NOISE  INTERFERENCE 

■  The  World  is  full  of  radio  transmitters. 

■  Police,  taxis,  broadcast,  amateur,  CB,  cellular 
and  cordless  telephones,  telemetry  and 
garage  door  openers. 

■  Do  not  imagine  that  your  circuit  will  never 
encounter  one. 

Figure  11.61 

This  is  particularly  so  because  the  design 
of  circuits  which  are  immune  to  electromag- 
netic radiation  of  reasonable  levels  is  not 
particularly  difficult.  If  every  conductor 
which  leaves  a  PCB  can  be  decoupled  with  a 
ceramic  capacitor  and  a  ferrite  bead,  it  is 
probable  that  no  further  precaution  is  neces- 
sary. 

EMI  PREVENTION 


FERRITE 
BEADS 


_  "  _ 
P.C.B. 


IN  MANY  CASES,  ALL  THAT  IS  REQUIRED 
IS  AN  L  FILTER,  CONSISTING  OF  A  FERRITE 
AND  A  CAPACITOR,  ON  EACH  EXTERNAL 
CONNECTION  TO  THE  BOARD 


Figure  11.62 
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A  few  ports  may  be  more  vulnerable  and 
require  a  pi  filter  rather  than  an  L  filter, 
and,  of  course,  ports  where  an  HF  signal 
must  actually  enter  or  leave  the  board  must 
be  filtered  to  suppress  other  EMI  but  allow 
the  signal  to  pass  unaffected. 

Boards  which  may  be  required  to  work  in 
areas  of  high  RF  field  should  be  screened 
with  a  conducting  Faraday  shield. 

Photoelectric  effects 

Light  is  also  a  form  of  electromagnetic 
radiation  and  can  effect  semiconductor 
devices.  Every  silicon  P-N  junction  is  a 
photodiode,  although  their  efficiencies  vary 
widely.  Wherever  devices  are  not  screened 
from  ambient  light,  photoelectric  effects  may 
be  observed. 

Nearly  all  integrated  circuits  are  encapsu- 
lated in  light-tight  packages  (EPROMs  are 
an  exception,  and  it  is  possible  to  measure 
threshold  changes  in  EPROMs  as  light 
intensity  is  varied,  but  since  they  are  digital 
devices,  and  remain  in  specification  despite 
light  level  changes,  the  effect  is  unimpor- 
tant). 

Diodes,  on  the  other  hand,  are  frequently 
encapsulated  in  translucent  glass  packages. 
When  illuminated  by  light  from  fluorescent 
lamps,  modulated  at  120  or  100  Hz,  they  can 
act  as  a  source  of  hum. 

When  the  signal  source  of  an  op-amp 
contains  an  energizing  voltage  which  is  much 
higher  than  the  op-amp  supply  it  is  common 
to  use  a  diode  and  a  current  limiting  resistor 
to  protect  the  op-amp  in  the  event  of  a  sensor 
short-circuit.  In  normal  operation  the  diode  is 
reverse  biassed  and  contributes  only  its  (low) 
leakage  current  to  the  circuit  but  should  the 
sensor  be  short-circuited  the  resulting  cur- 
rent will  flow  through  the  diode  to  the  op- 

UNEXPECTED  PHOTOELECTRIC  EFFECTS 
IN  SILICON  JUNCTIONS  CAN  DEGRADE 
CIRCUIT  PERFORMANCE 


+v„, 


'-O 


47k 

(CUHRENTO/PI 


THE  DIODE  PROTECTS  THE  OP  AMP  UNDER  FAULT  CONDITIONS  BY  DIVERTING 
FAULT  CURRENT  (LIMITED  BY  R,l  TO  THE  SUPPLY  RAIL  THE  OIODE  SHOULD  NOT 
BE  PHOTO-RESPONSIVE.  OTHERWISE  FLUORESCENT  LIGHTING  MAY  MODULATE" 
ITS  LEAKAGE  CURRENT  AT  100/120HZ  AND  CAUSE  HUM.  USE  A  PLASTIC  DIODE  - 
NOT  A  GLASS  ONE. 


amp  supply  rather  than  destroy  the  op-amp. 
It  is,  of  course,  important  to  choose  the 
resistor  so  that  it  neither  degrades  the  noise 
performance  of  the  system  nor  allows  too 
much  current  to  pass  under  fault  conditions. 

The  European  Applications  Department  of 
Analog  Devices  encountered  such  a  system 
where  about  10%  of  all  the  amplifiers  built 
suffered  from  severe  hum  at  twice  the  power 
line  frequency.  The  customer,  of  course, 
blamed  the  op-amp  for  poor  supply  rejection 
but  analysis  showed  that  even  when  the 
circuit  was  powered  from  batteries  the  prob- 
lem persisted.  The  cause  eventually  turned 
out  to  be  fluorescent  lighting  affecting  the 
protective  diode  -  a  1N914  in  a  glass  case. 

About  10%  of  diodes  from  the  particular 
manufacturer  were  quite  active  as  photodi- 
odes  and  when  illuminated  by  fluorescent 
lights  their  leakage  current  was  modulated 
at  100  Hz  (this  was  a  European  problem)  - 
and  the  100  Hz  was,  of  course,  amplified 
with  the  sensor  signal.  Use  of  a  black  epoxy 
packaged  diode  provided  a  complete  cure. 


Logic 


The  majority  of  this  section  of  our  seminar 
has  considered  problems  within  the  analog 
parts  of  mixed  signal  systems.  Despite  their 
much  greater  noise  immunity,  the  digital 
parts  of  these  systems  can  also  suffer  from 
designers'  lack  of  consideration  of  basic  laws. 
Common  problem  areas  include  bus  interface 
issues,  including  fan-out  and  timing,  for  both 
converters  and  DSP  processors,  the  care  and 
feeding  of  sampling  clocks,  and  the  design  of 
systems  which  generate  minimum  noise  (we 
have  already  discussed  how  to  keep  logic 
noise  from  affecting  the  analog  parts  of  a 
system  -  this  task  becomes  easier  if  the  logic 
noise  is  minimized  in  the  first  place). 

DIGITAL  PROBLEM  AREAS 
IN  MIXED  SIGNAL  SYSTEMS 


■  Bus  interface  -  fan-out 

■  Timing  variations 

■  Sampling  clock  jitter 

■  Logic  noise 


Figure  11.64 


■ 


Figure  11.63 
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Fan-out 


ADSP-2100  DRIVE  CAPABILITY 


All  Analog  Devices'  DSP  processors,  and 
most  of  their  DSP  ADCs,  have  TTL-compat- 
ible  CMOS  logic  ports.  The  inputs  have 

V«n«)  0f  0  8  V  3nd  Vih(nun)  °f  2'°  V>  while  the 

outputs  have  V  ,,     .  of  0.4  V  and  V  of 
2.4  V  at  particular  currents.  The  DSP  proces- 
sors are  also  rated  for  the  capacitive  load 
that  they  will  drive  without  degradation  of 
their  timing. 

In  order  to  determine  the  fan-out  of  such 
devices  it  is  necessary  to  consider  the  curren 
that  they  are  called  upon  to  source  and  sink 
and  the  capacitance  that  they  will  see.  This 
is  done  from  the  data  sheets  of  the  devices 
that  they  will  be  called  upon  to  drive. 

FACTORS  LIMITING  LOGIC  FAN-OUT 

■  Maximum  available  source  current  (logic  high): 
Dominant  factor  for  resistive  loads 

■  Maximum  available  sink  current  (logic  low): 
Dominant  factor  for  TTL  loads 

■  Maximum  permitted  node  capacitance: 
Dominant  factor  for  CMOS  loads 

■  Node  capacitance  has  contributions  both  from 
the  input  capacitances  of  gates  on  the  node  and 
from  wiring  and  PC  tracks  associated  with  the 
node. 

Figure  11.65 

Consider  a  typical  fast  TTL  gate,  such  as 
the  74F32  OR-gate.  Its  maximum  input  high 
current  (1^     j)  is  20  uA,  its  maximum  input 
low  current  Tf^(max))  is  0.6  mA  and  its  maxi- 
mum input  capacitance  is  5  pF.  An  ADSP- 
2100  will  source  1  mA  when  its  output  is 
high,  it  will  sink  4  mA  when  its  output  is  low, 
and  it  will  drive  capacitance  of  up  to  100  pF. 

The  ADSP-2100  will  therefore  drive  the 
capacitance  of 20  74F32  gates,  it  will  drive 
the  input  current  of  fifty  such  gates  in  the 
logic  1  (high)  state,  but  it  will  sink  the  input 
current  of  only  6.7  (in  practical  terms,  7) 
such  gates.  The  lowest  of  these  is  evidently 
the  fan-out  which  it  will  drive. 

In  typical  systems  it  is  likely  that  a  device 
will  be  called  upon  to  drive  a  mixture  of 
devices,  so  the  calculations  will  be  more 
complex  -  but  the  basic  principle  will  be  the 
same.  In  most  systems  involving  TTL  the 
fan-out  will  be  limited  by  the  sink  current, 
but  in  CMOS  systems  the  node  capacitance  is 
likely  to  be  the  limiting  factor.  The  above 
calculations  do  not  consider  the  capacitance 
of  the  PC  tracks  and  any  cables  which  the 


Will  drive  100  pF 
Will  drive  1  mA  at  logic  1  (>2.4  V) 
Will  sink  4  mA  at  logic  0  (<  0.4  V) 
Therefore  it  will  drive: 

■  22  74ACT  CMOS  Gates  (=  99  pF,  ±22  uA) 

■  10  74LS  Schottky  TTL  Gates  (=  -4  mA) 

■  7  74F  Schottky  TTL  Gates  (=  -4.2  mA) 

■  1  Grounded  2.4  k  resistor  (=  1  mA) 

■  Or  any  combination  of  loads  which  does 
not  exceed  a  total  capacitance  of  100  pF,  a 
total  drain  of  1  mA  at  logic  1,  and  a  total 

:  0.  (Remember  to  allow 


source  of  4  mA  at  logic 
for  the  capacitance  of  I 


Figure  11.66 


device  may  be  called  upon  to  drive  but  such 
capacitance  can  sometimes  be  a  limiting 
factor,  and  should  always  be  considered,  if 
only  to  be  eliminated. 

Most  data  converters  have  less  powerful 
output  stages  than  processors  and  their  fan- 
out  is  lower.  Additionally  the  return  current 
of  the  output  drive  from  a  converter  will  flow 
in  the  system  analog  ground  (for  reasons 
discussed  earlier  in  this  section)  and  should 
therefore  be  kept  as  low  as  possible  in  order 
to  minimize  digital  noise  in  the  analog  part 
of  the  system. 

This  is  best  achieved  by  using  CMOS, 
rather  than  TTL  logic.  The  DC  input  cur- 
rents of  CMOS  are  orders  of  magnitude  lower 
that  those  of  TTL.  However,  the  input  capaci- 
tances are  comparable  so  the  switching 
transients  are  not  much  lower.  It  is  therefore 
advisable  to  buffer  ADC  outputs  with  an 
external  buffer  to  minimize  digital  output 
currents  from  the  ADC.  Such  a  buffer  will 
also  help  to  isolate  the  ADC  from  digital 
noise  in  the  rest  of  the  system. 

Timing  variations 

A  common  cause  of  malfunctions  in  digital 
systems,  and  particularly  in  the  digital  parts 
of  mixed  signal  systems,  is  timing  error, 
which  often  arises  from  failure  to  consider 
the  effects  of  temperature  variations  on  the 
system. 

The  specifications  of  converters,  memories 
and  processors  all  contain  such  parameters 
as  "set-up"  and  "hold"  times.  These  are  the 
times,  respectively,  that  data  must  be  pres- 
ent before  a  clock  edge  may  occur,  or  that  it 
must  remain  valid  after  the  edge.  At  room 
temperatures  many  digital  circuits  are  quite 
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tolerant  of  operation  with  set-up  and  hold 
times  which  are  shorter  that  the  specified 
minimum  -  but  at  extremes  of  temperature 
they  may  be  more  demanding. 

LOGIC  TIMING  VARIES 
WITH  TEMPERATURE 


■  Specifications  such  as  "set-up"  &  "hold"  (the 
time  a  signal  must  be  present  before  a  strobe 
and  the  time  that  it  must  remain  after  one, 
respectively)  can  vary  widely  with 
temperature. 

■  A  system  designed  with  room  temperature 
"typical"  values  may  only  perform  properly  at 
room  temperature,  if  then. 

■  Designers  MUST  use  min/max  specifications 
at  temperature  extremes  to  ensure  correct 
operation  at  all  times. 

Figure  11.67 

Where  a  system  consists  only  of  digital 
circuitry  it  is  likely  (but  not  certain)  that 
changes  in  input  and  output  timing  will 
behave  similarly  so  that  systems  continue  to 
function  over  temperature.  Where  ADCs  or 
DACs  are  interfacing  with  digital  systems 
the  very  different  processes  used  for  the 
converters  may  result  in  timing  changes  not 
tracking  and  performance,  or  even  function- 
ality, suffering. 

Engineers  designing  mixed  signal  systems 
should  always  ascertain  that  the  maximum 
and  minimum  timing  specifications  of  all  the 
circuits  in  their  systems  are  compatible  over 
the  full  temperature  range  of  intended  opera- 
tion. Where  there  is  any  doubt  buffers  or 
monostables  should  be  used  as  pulse  exten- 
ders to  ensure  that  all  set-up  and  hold  speci- 
fications are  complied  with. 


Sampling  clock  noise 

As  has  been  mentioned  elsewhere  in  this 
seminar,  phase  noise  on  the  clock  of  a 
sampled  data  system  is  indistinguishable 
from  phase  noise  on  the  signal  itself  and  it  is 
therefore  of  critical  importance  to  ensure 
that  the  sampling  clock  has  sufficient  spec- 
tral purity  that  its  phase  noise  is  less  than 
the  smallest  component  to  be  detected  in  the 
signal  under  analysis. 

To  achieve  this  the  sampling  clock  should 
be  isolated  as  much  as  possible  from  the 
noise  present  in  the  digital  parts  of  the 
system.  In  particular,  buffers  used  for  the 


sampling  clock  should,  ideally,  be  on  separate 
chips,  with  separately  decoupled  supplies, 
from  the  remainder  of  the  digital  system,  and 
the  sampling  clock  signal  lines  should  not  be 
sited  where  they  can  pick  up  digital  noise 
from  the  rest  of  the  system. 

SAMPLING  CLOCK  NOISE 


Phase  noise  of  the  clock  must  be  less  than  the 
minimum  signal  to  be  detected  in  the  system. 

Therefore  the  sample  clock  signal  must  be 
protected  from  digital  noise. 

BUT 

Clocks  are  digital  and  can  corrupt  the  analog 
part  of  the  system. 

Therefore  sampling  clock  lines  must  be  kept 
separate  from  both  the  analog  and  the  digital 
parts  of  the  system. 

The  sampling  clock  must  use  an  oscillator  with 
low  phase  noise. 


Figure  11.68 


Of  course  the  sampling  clock  is  itself  a 
digital  signal.  It  has  as  much  potential  for 
causing  noise  in  the  analog  part  of  the  sys- 
tem as  any  other  digital  signal.  In  fact,  due 
to  its  presence  in  the  converter  and  SHA 
sections  of  a  system,  it  is  generally  the 
leading  suspect  for  noise.  We  therefore  see 
that  a  sampling  clock  is  very  inconvenient  as 
it  must  be  isolated  from  both  the  analog  and 
digital  parts  of  the  system. 

The  sampling  clock  generator  must  also 
have  adequate  spectral  purity.  RC  and  other 
relaxation  oscillators  just  will  not  do  since 
amplitude  noise  in  whatever  circuit  functions 
as  a  comparator  will  appear  as  phase  noise 
on  the  output  signal.  LC  oscillators  have 
better  phase  noise,  but  the  lowest  noise  is 
obtained  with  the  use  of  a  quartz  crystal 
oscillator.  For  very  high  speed  clocks  a  SAW 
(surface  acoustic  wave)  oscillator  is  prefer- 
able. 

A  popular  design  of  quartz  crystal  oscilla- 
tor uses  a  resistor,  one  or  more  logic  gates,  a 
quartz  crystal  and  a  couple  of  capacitors.  The 
design  is  not  popular  with  engineers  who 
understand  quartz  crystals  or  oscillators  - 
such  designs  have  bad  phase  noise  and  are 
liable  to  overdrive  the  quartz  crystal  (not 
enough  to  shatter  it,  as  sometimes  happened 
with  self-excited  crystal-controlled  transmit- 
ters using  vacuum  tubes,  but  enough  to 
affect  its  long-term  stability).  The  only  justi- 

■ 
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fication  for  the  use  of  such  oscillators  is  in  certainly  has  a  large  output  swing  with  a 

watch  and  clock  circuits  where  the  low  volt-  large  dV/dT. 

ages  involved  minimize  the  overdrive  and  the  4000-Series  CMOS  is  almost  20  years  old 

phase  noise  is  integrated  over  long  periods  and  slow.  It  is  also  widely  available,  cheap, 

and  so  is  unimportant.  resistant  to  RFI,  and  quite  remarkably  noise 

free,  since  it  has  low  output  dV/dT  and  does 

OSCILLATORS  not  6enerate  a  supply  current  pulse. 


Crystal  oscillators  built  Low  noise  crystal  oscillators 

with  logic  gates  have  are  easily  designed  with 

large  phase  noise.  discrete  components. 

Figure  11.69 


Ideally  quartz  oscillators  should  use 
discrete  bipolar  and  FET  devices  in  the 
circuits  recommended  by  the  crystal  manu- 
facturers. These  circuits  are  optimized  for 
both  crystal  drive  level  and  phase  noise.  The 
output  signal  can  then  be  amplified  (possibly 
with  a  logic  gate  at  this  point)  to  drive  the 
converters. 


LOGIC  NOISE 

■  TTL  has  large  voltage  swings;  large,  fast  l/P  &  O/P 
current  pulses  and  asymmetrical  circuitry. 

■  HCMOS  has  large  voltage  swings;  large,  fast  O/P 
current  pulses  and  symmetrical  circuitry. 

■  4000-Series  CMOS  is  old,  slow,  cheap  and  very 
quiet. 

■  ECL  has  smaller  voltage  swings  and  smaller 
current  surges  than  TTL  &  HCMOS  even  though 
it  is  faster. 

■  There  is  no  single  ideal  logic  family. 

Figure  11.70 

ECL  also  draws  almost  constant  current 
during  switching  (unless  it  is  driving  asym- 
metrical loads)  and  has  much  smaller  output 
voltage  swings  than  TTL  or  CMOS.  Thus, 
although  ECL  is  faster  than  TTL  and  CMOS, 
it  tends  to  generate  less  noise.9 

No  single  logic  family  is  ideal  for  all  appli- 
cations (otherwise  there  would  only  be  one 
logic  family)  but  it  is  safe  to  conclude  that 
TTL  should  not  be  used  where  its  noise  can 
corrupt  precision  analog  circuitry  but  should 
be  replaced  by  CMOS. 

Where  only  low  speeds  are  necessary  4000 
CMOS  has  overwhelming  noise  advantages 
but  may  not  be  available  in  all  necessary 
configurations,  and  does  not  interface  well 
with  TTL  (although  it  will  interface  with 
high  speed  CMOS  families). 

In  high  speed  systems  where  noise  is 
important  ECL  may  offer  noise  advantages 
at  the  interface  between  the  analog  and 
digital  parts  of  the  system,  even  though  high 
speed  CMOS  is  capable  of  the  speeds  being 
used.  It  is  not  necessary  to  use  ECL  through- 
out the  system  -  just  where  its  lower  noise  is 
advantageous. 


24 


Logic  noise 

One  of  the  most  common  causes  of  loss  of 
performance  in  mixed  signal  systems  is  deg- 
radation of  analog  performance  by  noise  from 
the  digital  parts  of  the  system.  We  have 
already  discussed  at  some  length  how  this 
digital  noise  may  be  isolated  from  the  sensi- 
tive analog  parts  of  the  system,  but  it  is  also 
worthwhile  considering  how  this  noise  may 
be  diminished  at  its  source. 

It  is  well-known  that  TTL  is  noisy.  This  is 
partly  because  the  "totem  pole"  output  stage 
structure  acts  as  a  short-circuit  on  the  supply 
for  a  nanosecond  or  so  during  switching  - 
giving  rise  to  a  large  current  spike,  partly 
because  the  current  flowing  in  the  input 
changes,  and  changes  quickly,  between  logic 
0  and  logic  1,  and  partly  because  the  output 
swing,  which  takes  place  in  a  few  nanos- 
econds, is  several  volts. 

High  speed  CMOS  does  not  have  the 
change  in  input  current  (although  there  is  a 
capacitance  charging  current  pulse  during 
switching,  this  is  smaller)  but  may  draw  a 
supply  current  pulse  during  switching  and 
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contain  many  "components"  which  were  not 
present  in  the  circuit  diagram  but  which  are 
there  because  of  the  physical  properties  of 
conductors,  circuit  boards,  IC  packages,  etc. 

These  components  are  difficult,  if  not  impos- 
sible, to  incorporate  into  computer  modelling 
software  and  yet  they  have  substantial 
effects  on  circuit  performance  at  high  resolu- 
tions, or  high  frequencies,  or  both. 

It  is  therefore  inadvisable  to  use  SPICE 
modelling  or  similar  software  to  predict  the 
ultimate  performance  of  such  high  perform- 
ance analog  circuits.  After  modelling  is 
complete  the  performance  must  be  verified 
by  experiment. 

This  is  not  to  say  that  SPICE  modelling  is 
valueless  -  far  from  it.  Most  modern  high 
performance  analog  circuits  could  never  have 
been  developed  without  the  aid  of  SPICE  and 
similar  programs,  but  it  must  be  remem- 
bered that  such  simulations  are  only  as  good 
as  the  models  used  and  these  models  are  not 
perfect.  We  have  seen  the  effects  of  parasitic 
components  arising  from  the  conductors, 
insulators  and  components  on  the  PCB,  but 
it  is  also  necessary  to  appreciate  that  the 
models  used  within  SPICE  simulations  are 
not  perfect  models. 

Consider  an  operational  amplifier.  It 
contains  some  20-40  transistors,  almost  as 
many  resistors,  and  a  few  capacitors.  A 
complete  SPICE  model  will  contain  all  these 
components  and  probably  a  few  of  the  more 
important  parasitic  capacitances  and  spuri- 
ous diodes  formed  by  the  diffusions  in  the  op- 
amp  chip.  This  is  the  model  that  the  designer 
will  have  used  to  evaluate  the  device  during 
his  design.  In  simulations  such  a  model  will 
behave  very  like  the  actual  op-amp,  but  not 
exactly. 

However,  this  model  is  not  published,  as  it 
contains  too  much  information  which  would 
be  of  use  to  other  semiconductor  companies 
who  might  wish  to  copy  or  improve  on  the 
design.  It  would  also  take  far  too  long  for  a 
simulation  of  a  system  containing  such 
models  of  a  number  of  op-amps  to  reach  a 
useful  result.  For  these,  and  other,  reasons 
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HOWEVER 


m    MwvJcio  wiiiii  icai-iiie  ciic^ia. 


No  model  can  simulate  all  the  parasitic  effects  of 
discrete  components  and  a  PCB  layout. 

THEREFORE 

Prototypes  must  be  built  and  proven  before 
production. 

Figure  11.71 


the  SPICE  models  of  analog  circuits  pub- 
lished by  manufacturers  or  software  compa- 
nies are  "macro"  models,  which  simulate  the 
major  features  of  the  component  but  lack 
some  of  the  fine  detail.  Consequently  SPICE 
modelling  does  not  always  reproduce  the 
exact  performance  of  a  circuit  and  should 
always  be  verified  experimentally. 

Sockets 

It  is  tempting  to  mount  expensive  ICs  in 
sockets  rather  than  soldering  them  in  circuit 
-  especially  during  circuit  development. 
Engineers  would  do  well  not  to  succumb  to 
this  temptation. 


USE  OF  SOCKETS  WITH  HIGH 
PERFORMANCE  ANALOG  CIRCUITS 

DON'T!  (If  at  all  possible) 

Use  "Pin  sockets"  of  "Cage  jacks"  such  as 
Amp  Part  No:  5-330808-3  or  5-330808-6 
(Capped  &  uncapped  respectively). 

Always  test  the  effect  of  sockets  by  comparing 
system  performance  with  and  without  the  use 
of  sockets. 

Do  not  change  the  type  of  socket  used  without 
evaluating  the  effects  of  the  change  on 


performance. 


Figure  11.72 


Sockets  add  resistance,  inductance  and  ca- 
pacitance to  the  circuit  and  may  degrade  per- 
formance to  quite  unacceptable  levels.  When 
this  occurs,  though,  it  is  always  the  IC  manu- 
facturer who  is  blamed  -  not  the  use  of  a 
socket.  Even  low  profile,  low  insertion  force 
sockets  cannot  be  relied  upon  not  to  degrade 
the  performance  of  high  performance  (high 
speed  or  high  precision  or,  worst  of  all,  both) 
devices,  and  as  the  socket  ages  and  the  board 
suffers  vibration  the  contact  resistance  of  low 
insertion  force  sockets  is  very  likely  to  rise. 
Where  a  socket  must  be  used  the  least  loss  of 
performance  is  achieved  by  using  individual 
pin  sockets  (sometimes  called  "cage  jacks")  to 
make  up  a  multi-pin  socket  in  the  PCB  itself. 

It  really  is  best  not  to  use  IC  sockets  with 
high  performance  analog  and  mixed  signal 
circuits.  If  their  use  can  be  avoided  it  should 
be.  However  at  medium  speeds  and  medium 
resolutions  the  trade-off  between  perform- 
ance and  convenience  may  fall  on  the  side  of 
convenience.  It  is  very  important,  when 
sockets  are  used,  to  evaluate  circuit  perform- 
ance with  and  without  the  socket  chosen  to 
ensure  that  the  type  of  socket  chosen  really 
does  have  minimal  effect  on  the  way  that  the 
circuit  behaves.  The  effects  of  a  change  of 
socket  on  the  circuit  should  be  evaluated  as 
carefully  as  a  change  of  IC  would  be  and  the 
drawings  should  be  prepared  so  that  the 
change  procedures  for  a  socket  are  as  rigor- 
ous as  for  an  IC  -  in  order  to  prevent  a  pur- 
chase clerk  who  knows  nothing  of  electronics 
from  devastating  the  system  performance  in 
order  to  save  five  cents  on  a  socket. 

Prototyping  high  performance  analog  circuitry 

As  we  have  seen,  circuit  board  layout  is 
part  of  the  circuit  design  of  all  high  perform- 
ance analog  circuits.  Prototyping  techniques 
derived  from  the  "node"  theory,  while  ideal 
for  logic  breadboarding  at  low  and  medium 
speeds,  are  quite  unsuitable  for  any  analog 
circuits,  or  even  for  very  fast  digital  ones. 
Vector  board  and  wire  wrap  prototyping  will 
tell  an  engineer  nothing  about  the  behavior 
of  a  properly  laid  out  version  of  the  analog 
circuit. 

The  best  technique  for  analog  prototyping 
is  to  use  a  prototype  of  the  final  PCB  -  cer- 
tainly no  design  is  complete  until  the  final 
PCB  layout  has  been  proved  to  give  the 
required  performance.  Nevertheless  this 
approach  may  be  a  little  limiting  where  a 
number  of  different  possibilities  are  to  be 
evaluated,  or  for  a  multicard  system. 


PROTOTYPING 
MIXED  SIGNAL  CIRCUITRY 

■  NEVER  use  vector  boards  or  wire-wrap  for  the 
analog  parts  of  the  system  (they  can  be 
invaluable  for  data  buses  and  address  lines 
in  the  digital  part). 

■  Wherever  possible  avoid  the  use  of  sockets 
for  analog  ICs. 

■  Use  a  prototype  of  your  final  PCB  layout  as 
early  as  possible. 

Figure  11.73 

In  this  case  components  should  be 
mounted  on  a  board  having  a  continuous 
copper  ground  plane  (ideally  on  both  sides  of 
the  board,  though  while  convenient  this  is 
not  essential),  with  ground  connections  made 
to  the  plane  and  short  point  to  point  wiring 
made  above  and  below  it.  The  overall  compo- 
nent placing  and  signal  routing  should  be  as 
close  as  possible  to  the  planned  final  layout. 

As  we  have  already  indicated,  IC  sockets 
can  degrade  the  performance  of  analog  ICs. 
While  directly  soldered  components  are  ideal 
for  prototyping,  an  IC  socket  made  of  pin 
sockets  mounted  in  the  ground  plane  board 
may  be  acceptable  (clear  the  copper,  on  both 
sides  of  the  board,  for  about  0.5  mm  around 
each  ungrounded  pin  socket  -  solder  the 
grounded  ones  to  ground  on  both  sides  of  the 
board). 

Allowing  wiring  to  float  in  the  air  can  be  a 
little  tricky.  There  is  a  breadboarding  system 
which  is  conceptually  very  similar  to  that 
described  above  but  which  provides  adhesive 
PC  pads  which  stick  to  the  ground  plane  and 
allow  more  rigid  component  mounting  and 
wiring.  This  system  is  manufactured  by 
Wainwright  Instruments  and  is  known  as 
"Minimount"  in  Europe  and  "Solder  Mounts" 
in  the  USA  The  manufacturer's  and  dis- 
tributors' addresses  are  given  in  the  refer- 
ences at  the  end  of  this  section. 10 

Manufacturer's  evaluation  boards  are  also 
useful  in  system  prototyping  since  they  have 
already  been  optimized  for  best  performance. 
Analog  Devices  offers  many  evaluation 
boards  for  a  wide  array  of  products.  They 
offer  the  designer  an  excellent  starting  point 
for  the  layout. 
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When  the  prototype  layout  is  transferred 
to  a  CAD  system  for  PCB  layout  it  is  impor- 
tant to  disable,  or  at  any  rate  override  where 
necessary,  any  automatic  routing  or  compo- 
nent placing  software.  The  criteria  used  by 
such  software  are  more  closely  related  to 
"node"  theory  and  aesthetically  pleasing  rows 
of  components  (which,  admittedly,  are  also 
easier  on  automatic  component  placing 
machinery)  than  to  optimizing  stray  induc- 
tance and  capacitance  and  minimizing  com- 
mon ground  impedances. 


ADDITIONAL 
PROTOTYPING  HINTS 

Pay  equal  attention  to  signal  routing,  component 
placing  and  supply  decoupling  in  both  the 
prototype  and  the  final  design. 

Verify  performance  as  well  as  functionality  at 
each  stage  of  the  design. 

For  "freehand"  prototyping  use  a  copper-clad 
board,  mount  components  to  it  by  their  ground 
pins  and  wire  the  remaining  connections 
point-to-point  (use  Wainwright  Instruments' 
Minimount/Solder  Mountadheslve  PC  pads  if 
aerial  point-to-point  wiring  seems  too  fraught 
i  peril). 

Figure  11.74 
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Fundamentals  of  Sampled  Data  Systems 


A  Typical  DSP  Sampled  Data  System 


A  block  diagram  of  a  typical  sampled  data 
DSP  system  is  shown  in  Figure  3.1.  Prior  to 
the  actual  analog-to-digital  conversion,  the 
analog  signal  usually  passes  through  some 
sort  of  signal  conditioning  circuitry  which 
performs  such  functions  as  amplification, 
attenuation,  or  filtering.  If  the  analog  signal 
originates  as  a  temperature,  pressure,  flow- 
rate,  or  force,  then  an  appropriate  sensor  and 


transducer  is  required  to  first  convert  the 
physical  quantity  into  an  electrical  voltage  or 
current. 

There  are  two  key  concepts  involved  in  the 
actual  analog-to  digital  conversion  process: 
discrete  time  sampling  and  finite  amplitude 
resolution  due  to  quantization.  An  under- 
standing of  these  concepts  is  vital  to  DSP  ap- 
plications. 


KEY  ELEMENTS  OF  A  SAMPLED  DATA  SYSTEM 
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Figure  3.1 
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tude  sampling  of  an  analog  signal  is  shown 
in  Figure  3.2.  The  continuous  analog  data 
must  be  sampled  at  discrete  intervals,  ts, 
which  must  be  carefully  chosen  to  insure  an 
accurate  representation  of  the  original  ana- 
log signal.  It  is  clear  that  the  more  samples 
taken  (faster  sampling  rates),  the  more 
accurate  the  digital  representation,  but  if 
fewer  samples  are  taken  (lower  sampling 
rates),  a  point  is  reached  where  critical 
information  about  the  signal  is  actually  lost. 
This  leads  us  to  the  statement  of  Nyquist's 
criteria  given  in  Figure  3.3. 

DISCRETE  SAMPLING 
OF  AN  ANALOG  SIGNAL 
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4  of  Figure  3.4  represents  the  situation 
where  f  <2fa,  and  the  information  obtained 
from  the  samples  indicates  a  sinewave  hav- 
ing a  frequency  which  is  lower  than  f/2,  i.e. 
the  out-of  -band  signal  is  aliased  into  the 
Nyquist  bandwidth  between  dc  and  f/2.  As 
the  sampling  rate  is  further  decreased,  and 
the  analog  input  frequency  fa  approaches  the 
sampling  frequency  f's,  the  aliased  signal 
approaches  dc  in  the  frequency  spectrum. 

TIME  DOMAIN  EFFECTS  OF  ALIASING 

A  Al 

CASE1:  fs  =  8fa       <  I  M  >  ,  ,  ,    M  I  ^  , 
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CASE  2:  f s  =  4  fa 


CASE  3:  f s  =  2  f a 
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Figure  3.2  Figure  3.4 


NYQUIST'S  CRITERIA 

An  Analog  Signal  with  a  Bandwidth  of  fa 
Must  be  Sampled  at  a  Rate  fs>2fa  in  Order 
to  Avoid  the  Loss  of  Information 

If  fs<2fa,  then  a  Phenomena  Called 
Aliasing  Will  Occur  in  the  Analog  Signal 
Bandwidth 

Figure  3.3 


In  order  to  understand  the  implications  of 
aliasing  in  both  the  time  and  frequency 
domain,  first  consider  the  four  cases  of  a  time 
domain  representation  of  a  sampled  sine- 
wave  signal  shown  in  Figure  3.4.  In  the 
Case  1,  it  is  clear  that  an  adequate  number 
of  samples  have  been  taken  to  preserve  the 
information  about  the  sinewave.  In  Case  2 
of  the  figure,  only  four  samples  per  cycle  are 
taken;  still  an  adequate  number  to  preserve 
the  information.  Case  3  represents  the 
ambiguous  limiting  condition  where  f  =2f  If 
the  relationship  between  the  sampling  points 
and  the  sinewave  were  such  that  the  sine- 


The  corresponding  frequency  domain  rep- 
resentation of  the  above  scenario  is  shown  in 
Figure  3.5.  Note  that  sampling  the  analog 
signal  f  at  a  sampling  rate  f  actually  pro- 
duces two  alias  frequency  components,  one  at 
f +fa,  and  the  other  at  f  -fa.  The  upper  alias, 

FREQUENCY  DOMAIN  EFFECTS 
OF  ALIASING 

,  NYQUIST  f  ^ALIASED  ? 

-BANDWIDTH  )COMPONENTS( 


f'.!'/'.    REPEATS  2f  a , 


Figure  3.5 
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f  +f  ,  seldom  presents  a  problem,  since  it  lies 
outside  the  Nyquist  bandwidth.  It  is  the 
lower  alias  component,  f  -f  ,  which  causes 
problems  when  the  input  signal  exceeds  the 
Nyquist  bandwidth,  fs/2. 

It  is  clear  from  the  above  discussion  that 
the  ADC  must  be  preceded  by  an  anti-ali- 
asing filter  which  has  sufficient  stopband 
attenuation  at  f 12  and  above  to  prevent 
unwanted  in-band  aliasing.  Aliasing  may 
also  occur  from  harmonics  of  the  fundamen- 
tal signal  which  fall  outside  the  Nyquist 
bandwidth,  or  from  unfiltered  broadband 
noise  at  the  ADC  input. 

The  effects  of  aliasing  on  the  dynamic 
range  of  a  sampled  data  system  are  shown  in 
Figure  3.6.  The  top  part  of  the  figure  illus- 
trates the  desired  condition  at  the  Nyquist 
point,  where  the  aliased  component  inter- 
sects the  input  signal  at  a  point  below  the 
desired  dynamic  range.  The  lower  part  of  the 
figure  shows  the  condition  where  the  upper- 
frequency  dynamic  range  is  limited  by  the 
aliased  components.  This  condition  will 
result  in  a  reduction  in  overall  signal-to-noise 
ratio  at  the  higher  frequencies,  and  could 
result  in  the  distortion  due  to  aliased  out-of- 
band  tones  or  harmonics  as  shown  in  Figure 
3.7. 

FREQUENCY  DOMAIN  EFFECTS 
OF  ALIASING  ON  DYNAMIC  RANGE 
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Selection  of  Antialiasing  Filters 

It  should  be  clear  by  now,  that  for  a  given 
analog  input  bandwidth,  fa,  the  requirements 
of  the  antialiasing  filter  are  related  not  only 
to  the  sampling  rate,  fs,  but  also  to  the  de- 
sired system  dynamic  range.  Simply  stated, 
dynamic  range  is  the  ratio  of  the  largest 
expected  signal  to  the  smallest  signal  which 
must  be  resolved,  and  is  usually  expressed  in 
dB.  At  this  point,  we  are  concerned  with 
dynamic  range  limitations  due  to  aliasing. 
The  limiting  effects  of  ADC  quantization 
noise  and  other  non-linearities  will  be  dis- 
cussed shortly.  The  following  rules  of  thumb 
will  result  in  a  filter  which  is  somewhat 
overspecified,  but  the  concepts  are  valid  and 
can  be  refined  to  fit  the  actual  system  re- 
quirements. 

ANTIALI/ 


-TER  REQUIREMENTS 


OR 


I 

DR 

i 


SLOPE  =  6  M  dB/OCTAVE 
M  =  FILTER  ORDER 
OR  =  DYNAMIC  RANGE  (dB) 


Figure  3.8 


Figure  3.7 


First,  set  the  corner  frequency  of  the  an- 
tialiasing filter  equal  to  the  desired  analog 
input  bandwidth,  f  .  This  defines  the  pass- 
band  of  the  filter,  f    =f .  Define  the  begin- 
ning of  the  filter's  stopband,  fjh)  =f/2.  Let 
the  filter  stopband  attenuation  &e  the 
desired  upper-frequency  dynamic  range,  DR, 
expressed  in  dB.  These  parameters  define 
the  transition  band  characteristics  of  the 
filter,  i.e.,  it  must  achieve  a  stopband  at- 
tenuation equal  to  the  dynamic  range  over 

l°62^Btoi/*para)  octaves-  The  approximate 
order  of  the  filter,  M,  (the  number  of  poles) 
required  to  achieve  this  transition  band  slope 
can  then  be  determined,  since  the  filter 
roll  off  is  approximately  6M  dB  per  octave.  A 
simple  example  calculation  is  shown  in 
Figure  3.9,  where  the  signal  bandwidth,f  ,  is 
3kHz,  the  sampling  rate,f ,  is  12kHz,  and"  a 
dynamic  range  of  60dB  is  required.  This 
implies  that  a  10  pole  filter  is  needed.  Re- 
member that  in  practice,  any  analog  filter 
with  more  than  8  poles  becomes  a  real  design 
challenge,  and  a  filter  with  more  than  12 
poles  becomes  almost  an  impossibility  except 
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ANTIALIASING  FILTER  EXAMPLE 


M  =  10  POLES 

SLOPE  =  60dB/OCTAVE 


Figure  3.9 


for  the  experienced  filter  designer.  These 
considerations  so  far  have  neglected  the 
filter's  phase  characteristics,  and  also  the  in- 
band  and  out-of-band  ripple  requirements. 
The  addition  of  these  parameters  can  make 
antialiasing  filter  design  a  truly  formidable 
task. 

The  above  rules-of-thumb  for  determining 
the  complexity  of  the  antialiasing  filter 
assume  that  fullscale  signals  can  occur  at 
essentially  all  input  frequencies  above 

Nyquist.  In  actual  practice,  this  is  not 
usually  the  case,  and  there  is  some  natural 
attenuation  of  the  signal  being  processed  at 
the  higher  input  frequencies.  For  instance, 
in  the  previous  example,  if  signals  at  Nyquist 
and  above  were  already  attenuated  by  12dB, 
then  a  filter  stopband  attenuation  of  only 
48dB  would  be  required  at  the  Nyquist 
frequency  of  6kHz.  This  would  imply  that 
only  an  8  pole  filter  would  be  needed.  This 
situation  is  illustrated  in  Figure  3.10. 

EFFECTS  OF  OUT-OF-BAND 
ATTENUATION  ON  ANTIALIASING  FILTER 
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48dB 
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Figure  3.10 

From  the  above  discussions,  it  is  clear 
that  the  requirements  on  the  antialiasing 
filter  can  be  relaxed  at  the  expense  of  higher 
sampling  rates  (called  oversampling).  Later 
in  the  seminar,  we  will  see  that  a  particular 


class  of  ADCs  and  DACs  ,  called  Sigma-Delta 
(XA)  are  inherently  oversampling  converters 
and  greatly  reduce  the  complexity  of  the 
antialiasing  filter. 


Oversampling  and  Decimation 

As  previously  discussed,  the  major  advan- 
tage of  oversampling  the  input  signal  is  the 
resulting  simplification  in  the  antialiasing 
filter  requirements.  Of  course  the  downside 
of  oversampling  is  that  it  also  increases  the 
ADC  output  data  rate,  and  the  DSP  must  be 
able  to  keep  up  in  order  to  maintain  real- 
time operation.  If  the  data  is  to  be  transmit- 
ted in  serial  form,  then  it  consequently  will 
occupy  more  of  the  frequency  spectrum.  An 
attractive  alternative  makes  use  of  both 
analog  and  digital  filtering  techniques, 
oversampling,  and  a  process  called  decima- 
tion. Figure  3.11  shows  the  traditional  case, 
where  all  the  antialiasing  burden  lies  with 
the  analog  input  filter  preceding  the  ADC.  In 
Figure  3.12,  however,  the  oversampling  ratio, 
K  (K  is  an  integer),  relaxes  the  rolloff  re- 
quirement of  the  input  analog  filter  by  in- 
creasing the  Nyquist  frequency  to  Kf 12.  The 
digital  filter  following  the  ADC  (digital 
filtering  will  be  discussed  at  length  in  Section 
VII)  implements  the  antialiasing  function 
with  respect  to  f ,  and  has  sufficient  stopband 
attenuation  at  f 12  to  achieve  the  desired 
dynamic  range.  As  we  will  see  later  in  the 
seminar,  digital  filters  having  sharp  cutoff 
characteristics  with  good  phase  response  are 
much  more  easily  implemented  than  their 
corresponding  analog  counterparts  (assum- 
ing sufficient  speed  in  the  DSP).  Finite 
Impulse  Response  (FIR)  filters  can  be  de- 
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Figure  3.12 

signed  which  have  linear  phase  characteris- 
tics. Since  the  bandwidth  has  been  reduced 
to  f 12  by  the  digital  antialiasing  filter,  the 
data  coming  out  of  the  digital  filter  actually 
contains  redundant  information,  and  there 
is  no  need  to  look  at  every  sample.  In  fact,  it 
is  only  necessary  to  look  at  every  Kth 
sample.  This  process  is  called  decimation, 
and  will  be  discussed  in  much  more  detail  in 
the  section  of  the  seminar  on  Sigma-Delta 
converters  (Section  VI).  In  addition,  the 
actual  decimation  can  be  performed  by  the 
FIR  filter  itself  by  computing  a  single  output 
sample  for  every  K  input  samples.  This 
concept  of  oversampling  and  decimation  is 
one  of  the  most  powerful  concepts  in  real- 
world  DSP. 


Undersampltng  and  Its  Applications 

In  this  section  we  will  see  that  there  are 
some  applications  in  DSP  where  aliasing  is 
perfectly  acceptable  and  can  be  used  advan- 
tageously. When  the  analog  signal  being 
digitized  by  the  ADC  exceeds  f 12,  the  condi- 
tion is  often  referred  to  as  super-Nyquist,  or 
undersampltng.  Nyquist's  criteria  states  that 
the  bandwidth  (not  the  actual  frequency)  of 
the  signal  being  digitized  should  not  exceed 
f 12  for  information  to  be  preserved.  As  an 
example,  consider  a  telecommunications 
transmultiplexer  application  where  Fre- 
quency Division  Multiplexed  (FDM)  data 
occupying  the  bandwidth  of  60  to  108kHz  is 
sampled  at  a  frequency  of  112kHz.  Figure 
3.13  shows  the  spectrum  of  the  signal  and 
the  location  of  the  aliased  components.  At 
the  receiving  end  of  the  system,  the  filter 
which  follows  the  reconstruction  DAC  is  a 
bandpass  rather  than  a  lowpass  and  must 
filter  out  the  aliased  components  falling 
between  4kHz  and  52kHz  as  well  as  the 
component  located  at  the  sampling  frequency 
of  112kHz. 
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Figure  3.13 

Another  application  for  super-Nyquist  op- 
eration is  in  the  direct  conversion  of  IF 
signals  to  baseband.  Most  traditional  com- 
munication and  radar  receivers  employing 
ADCs  and  DSP  utilize  a  system  in  which  the 
intermediate  frequency  (IF)  from  the  front 
end  of  the  receiver  is  down-converted  or 
demodulated  to  a  baseband  signal  by  a  mixer 
and  a  lowpass  filter  as  shown  in  Figure  3.14. 
This  final  IF  stage  uses  a  local  oscillator 
which  is  phase  coherent  with  the  signal 
carrier  frequency.  The  mixer  output  contains 
a  baseband  signal  which  is  proportional  to 
the  phase  difference  between  the  two  inputs. 
Following  the  mixer  is  a  lowpass  filter, 
amplifier,  and  an  ADC.  Typical  mixers  have 
a  conversion  loss  ranging  from  4  to  6dB.  In 
cases  when  the  signal-to-noise  ratio  is  limited 
by  the  front  end,  elimination  of  the  mixer 
will  improve  the  overall  noise  figure  of  the 
receiver. 
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Figure  3.14 

This  can  be  accomplished  (as  shown  in 
Figure  3.15)  if  the  IF  frequency  is  sampled  at 
a  rate  equal  to  the  local  oscillator  frequency. 
The  ADC  now  functions  as  a  demodulator.  If 
the  ADC  samples  an  analog  signal  of  the 
same  frequency  as  the  sampling  frequency, 
the  digitized  output  is  a  dc  value.  Any  devia- 
tion in  the  analog  signal  from  the  sampling 
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frequency  looks  like  a  beat  frequency,  Df,  and 
the  demodulation  process  is  thereby 
achieved. 

The  data  from  the  ADC  must  be  processed 
by  the  DSP  using  an  FFT  which  computes 
both  the  real  and  imaginary  components  of 
the  digitized  signal.  This  is  necessary  in 
order  to  preserve  the  phase  information 
contained  in  the  demodulated  signal. 

Operation  of  ADCs  in  a  super-Nyquist  en- 
vironment obviously  requires  that  the  dy- 
namic performance  of  the  converter  be 
known  for  input  frequencies  above  Nyquist. 
The  signal-to-noise  ratio  and  harmonic 
distortion  performance  of  an  ADC  typically 
degrades  at  higher  input  frequencies,  so  ac 
performance  for  the  input  frequency  desired 
must  be  adequate  to  meet  system  require- 
ments. Super-Nyquist  operation  typically 
requires  an  ADC  which  is  more  robust  to 
high  frequency  input  signals  than  an  ADC 
which  is  specified  for  strictly  sub-Nyquist 
applications. 

Effects  of  Finite  Amplitude  Resolution  Due 
to  Quantization 

The  second  major  effect  to  be  considered 
in  a  sampled  data  system  is  that  of  the  finite 
amplitude  resolution  caused  by  the  analog- 
to-digital  or  digital-to-analog  conversion 
process.  In  this  discussion,  we  will  refer  to 
the  number  of  bits  of  the  ADC  (or  DAC)  as 
the  converter's  resolution,  N.  In  the  case  of 
an  ADC,  the  input  range  is  divided  into  2N 
discrete  levels,  each  represented  by  an  N-bit 
binary  word.  For  a  DAC,  the  input  consists 
of  an  N-bit  binary  word,  and  there  are  2N 
possible  discrete  output  levels.  Figure  3.16 
shows  the  number  of  bits,  N,  the  correspond- 
ing number  of  levels,  2N,  and  the  weight  of 
the  least  significant  bit  (LSB)  expressed  as  a 
percentage  and  a  ratio  in  dB  [20  log10(2N)],  or 
6.02N  dB.  This  ratio  (whether  expressed  as 
a  percentage  or  in  dB)  represents  the  dy- 
namic range  of  the  converter,  i.e.,  the  ratio  of 
the  largest  resolvable  signal  to  the  smallest 
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resolvable  signal.  At  this  point,  we  should 
point  out  that  the  dynamic  range  values  in 
Figure  3.16  represent  ideal  ADCs  and  DACs 
does  not  consider  such  ac  performance  limita- 
tions such  as  harmonic  and  intermodulation 
distortion.  Neither  do  these  values  represent 
the  theoretical  signal-to-quantization  noise. 
These  topics  will  be  discussed  shortly. 

Quantization  Theory,  Signal  to  Noise 
Ratio,  and  Effective  Bits 

The  finite  resolution  of  ADCs  and  DACs 
gives  rise  to  a  theoretical  limitation  to  the 
signal-to-noise  ratio  (SNR)  which  is  a  func- 
tion of  the  number  of  bits,  N.  In  order  to 
make  a  meaningful  measurement,  the  ADC 
is  stimulated  with  a  fullscale  sinewave  input 
which  is  slightly  below  the  clipping  range  of 
the  converter.  This  gives  rise  to  a  sample-to- 
sample  error  which  produces  quantization 
noise.  It  can  be  shown  mathematically  that 
the  rms  noise  voltage  produced  by  quantiza- 
tion measured  within  the  Nyquist  bandwidth 
is  given  by  the  familiar  expression  q/V  12  , 
where  q  is  the  weight  of  the  least  significant 
bit  (LSB)  of  the  converter.  The  value  for  the 
LSB,q,  can  be  calculated  by  dividing  the 
fullscale  range  of  the  ADC  or  DAC  by  2N.  In 
an  ideal  converter  with  no  error  sources,  the 
theoretical  rms  quantization  noise  voltage  is 
also  independent  of  both  the  input  signal  am- 
plitude and  frequency.  The  derivation  for 
this  simple  expression  is  given  in  the  follow- 
ing reference: 

W.R.  Bennett,  Spectra  of  Quantized 
Signals,  BSTJ  27,  pp.  446-472,  July  1948 

For  a  fullscale  sinewave  input,  it  can 
further  be  shown  that  the  theoretical  rms 
signal  to  quantization  noise  ratio  is  given  by 
SNR  =  6.02N  +  1.76dB. 
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QUANTIZATION  THEORY 
BASICS 

•  RMS  Quantization  Noise  in  Nyquist 
Bandwidth,  t,/2: 

•  Fullscale  Sinewave  RMS  Signal  to  RMS 
noise  ratio  in  Nyquist  Bandwidth: 

SNR  =  6.02N  +  1.76dB 

•  Effective  Number  of  Bits  (ENOB): 

SNR  actual  -  1-76dB 
ENOB  =  

Figure  3.17 

It  should  be  noted  that  the  rms  quantiza- 
tion noise  generally  approximates  broadband 
noise  across  the  Nyquist  bandwidth.  There 
are  certain  conditions,  however,  where  this  is 
not  true.  If  there  is  correlation  between  the 
quantization  error  signal  and  the  signal 
being  digitized,  then  the  quantization  noise 
may  be  concentrated  at  harmonics  of  the 
input  signal  rather  than  being  spread  uni- 
formly across  the  bandwidth.  This  is  most 
likely  to  occur  if  the  input  signal  is  a  sine- 
wave  which  is  a  subharmonic  of  the  sampling 
frequency. 

In  testing  ADCs,  the  SNR  is  usually 
calculated  using  DSP  techniques  while 
applying  a  pure  sinewave  signal  to  the  input 
of  the  ADC  as  shown  in  Figure  3.18.  The 
Fast  Fourier  Transform  (FFT)  processes  a 
finite  number  of  time  samples  and  converts 
them  into  the  frequency  spectrum  such  as 
that  shown  in  Figure  3.19  for  the  AD678  12- 
bit  200kSPS  sampling  ADC.  The  frequency 
spectrum  is  then  used  to  calculate  the  SNR 
as  well  as  harmonics  of  the  fundamental 
input  signal,  very  similar  to  an  analog  spec- 
trum analyzer.  The  rms  value  of  the  signal 
is  first  computed.  Then  the  rms  value  of  all 
other  frequency  components  over  the  Nyquist 
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bandwidth  (this  includes  not  only  noise  but 
also  distortion  products)  is  computed.  The 
ratio  of  these  two  quantities,  expressed  in  dB 
is  the  SNR.  Various  error  sources  in  the  ADC 
cause  the  measured  SNR  to  be  less  than  the 
theoretical  value,  6.02N  +  1.67dB.  These 
errors  occur  due  to  integral  and  differential 
nonlinearities,  missing  codes,  and  internal 
ADC  noise  sources.  In  addition,  the  errors 
typically  are  a  function  of  input  slewrate  and 
therefore  increase  as  the  input  frequency 
gets  higher.  In  calculating  the  rms  value  of 
the  noise,  it  is  customary  to  include  harmon- 
ics of  the  fundamental  signal.  This  is  some- 
times referred  to  as  the  signal-to-noise-plus- 
distortion,  S/(N+D),  but  is  usually  called 
simply  SNR.  A  typical  plot  of  S/(N+D)  for  the 
AD678  sampling  ADC  (12  bit,  200kSPS)  is 
shown  in  Figure  3.20. 

Another  way  to  interpret  SNR  is  in  terms 
of  effective  number  of  bits,  or  ENOBs.  The  ef- 
fective-bit calculation  is  performed  by  solving 
the  SNR  equation  for  N,  given  the  measured 
value  of  SNR.  (See  Figure  3.17).  For  in- 
stance, a  perfect  12  bit  ADC  would  have  a 
theoretical  SNR  of  74dB,  corresponding  to  12 
effective  bits.  A  measured  SNR  of  68dB, 
however,  would  correspond  to  11  effective 
bits.  This  says  that  the  performance  of  the 
actual  12  bit  ADC  is  equivalent  to  that  of  a 
perfect  11  bit  ADC.  Figure  3.20  also  shows 
the  ENOB  performance  of  the  AD678  on  the 
same  graph  as  the  SNR.  Note  that  at  low 
frequencies,  the  AD678  exceeds  11.4  effective 
bits. 

Effective  bits  can  also  be  measured  using 
the  sinewave  curvefit  method.  In  this 
method,  a  sinewave  is  applied  to  the  ADC, 
and  a  number  of  samples  are  collected. 


MISCELLANEOUS  24-91 


S  /  (  N  +  D )  AND  EFFECTIVE  BITS 
FOR  AD678  12-BIT,  200  kSPS  ADC 
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Figure  3.20 

Instead  of  performing  an  FFT  on  the  time 
samples,  the  best-fit  sinewave  to  fit  the  data 
points  is  calculated.  The  sinewave  ampli- 
tude, offset,  frequency,  and  phase  are  chosen 
to  minimize  the  rms  error  between  the  actual 
sinewave  data  points  and  the  theoretical 
sinewave.  Again,  the  theoretical  rms  error 
for  a  perfect  ADC  is  q/M  12  .  The  rms  error 
between  the  actual  sinewave  and  the  theo- 
retical sinewave  is  computed,  and  the  effec- 
tive bits  are  calculated  using  the  formula 
shown  in  Figure  3.21.  The  ENOB  measure- 
ment using  the  sinewave  curvefit  method 
correlates  well  with  that  obtained  using  the 
SNR  technique.  If  the  SNR  calculation  is 
made  with  a  signal  which  is  less  than  fulls- 
cale,  then  a  correction  factor  must  be  added 
as  shown  in  order  for  the  two  methods  to  cor- 
relate. 

CALCULATING  ENOB  USING 
SINEWAVE  CURVE  FITTING 

•  QA  =  Actual  RMS  Error  from  Fit  Sinewave 

•  Of  =  Theoretical  N-Bit  RMS  Error  from  Best  Fit 
Sinewave 

r°Ai 

•  ENOB  =  N  -  log2  [q^-J     Correlates  to: 
SNRACTUAL  -  1.76dB  +  Level  of  Signal  Below  FS 


SNR: 


6.02 


Figure  3.21 


Selection  of  ADC  Resolution  Based 
on  Signal  Dynamic  Range 

Selection  of  the  proper  ADC  for  a  given  ap- 
plication involves  much  more  than  just  deter- 
mining the  number  of  bits  required  and  the 
sampling  rate.  The  dc  and  ac  characteristics 
of  the  ADC  must  be  examined  with  respect  to 
the  analog  signal  being  processed  and  a 
proper  match  must  be  found.  Inevitably,  this 
process  involves  certain  tradeoffs  in  perform- 
ance and  cost. 

DSP  APPLICATIONS  AND  DYNAMIC  RANGE 
REQUIREMENTS 


APPLICATION 

SIGNAL 
BANDWIDTH 

DYNAMIC 
RANGE 

ADC  #  BITS 

Seismology 

10Hz 

14SdB 

24 

Digital  Audio 

20kHz 

100dB 

18 
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Cancelling 

4kHz 

84dB 

14 

Speech 
Processing 

 4kHz"  

74dB 

12 

V.32  Modems 

4kHz 

74db 

14 

Ultrasound 

15MHz 

60dB 

10 

Radar 

5MHz 

74dB 

12 

Broadband 
Receivers 

5MHz 

 86dB  

14 

 1 

Figure  3.22 

Figure  3.22  shows  a  number  of  applica- 
tions which  are  suitable  for  DSP  processing. 
The  approximate  bandwidth  and  dynamic 
range  of  the  corresponding  signal  is  given. 
There  are  actually  two  aspects  to  dynamic 
range:  dc  and  ac.  The  dynamic  range  corre- 
sponds to  the  values  given  in  Figure  3.22 
(neglecting  ADC  static  errors).  AC  dynamic 
range,  on  the  other  hand,  is  related  to  the 
harmonic  distortion  performance  of  the  ADC. 
For  instance,  in  a  digital  spectral  analysis 
application,  the  harmonics  of  a  fullscale 
sinewave  input  signal  limits  the  system's 
ability  to  resolve  small  signals  in  the  pres- 
ence of  large  signals.  AC  linearity  is  usually 
expressed  in  terms  of  harmonic  distortion,  or 
total  harmonic  distortion  (THD).  In  a  practi- 
cal ADC,  the  number  of  bits  may  not  be  a 
good  indicator  of  the  harmonic  distortion 
performance  of  the  converter.  AC  dynamic 
range  is  less  than  that  predicted  by  the  SNR 
equation,  6.02N  +  1.76dB.  For  these  rea- 
sons, the  data  sheet  must  include  both  dc 
and  ac  performance  specifications  in  order  for 
the  user  to  make  an  intelligent  selection  for 
the  application. 
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ADC  Static  Transfer  Characteristics 

The  basic  specifications  which  describe  the 
static  performance  of  an  ADC  are  given  in 
Figure  3.23. 

ADC  STATIC 
PERFORMANCE  SPECIFICATIONS 

■  Differential  Non-Linearity  (DNL) 

■  Integral  Non-Linearity  (INL) 

■  Missing  Codes 

■  Gain  Error 
^"-1  Error 

Figure  3.23 


In  the  ideal  transfer  function  for 
a  3  bit  ADC  (Figure  3.24),  the  analog  input 
signal  is  on  the  horizontal  axis  and  the 
digital  output  is  on  the  vertical  axis.  The 
digital  output  of  the  ADC  is  valid  over  a 
range  of  input  signal.  The  quantum  of  input 
for  a  given  output  code  is  called  the  width  of 
the  code.  The  ideal  width  is  exactly  1  LSB 
(least  significant  bit),  but,  in  practice,  each 
code-width  is  different  from  its  neighbors. 
The  deviation  in  the  code-widths  from  the 
ideal  1  LSB  value  is  called  differential  non- 
linearity,  or  DNL.  A  3-bit  ADC  with  various 
errors  is  shown  in  Figure  3.25.  Note  that  the 
code  100  is  missing  because  of  the  large  DNL 
associated  with  the  adjacent  codes.  Missing 
codes  can  produce  oscillation  and  hunting  in 
a  closed-loop  system,  thus  making  this  an 
important  parameter  to  consider  for  ADC 
selection  in  this  application. 

Integral  non-linearity,  or  INL,  is  usually 
measured  with  respect  to  the  code  centers.  A 

TRANSFER  FUNCTION 
FOR  IDEAL  3-BIT  ADC 


TRANSFER  FUNCTION 
FOR  NON-IDEAL  3-BIT  ADC 


110  -- 

DIGITAL 
OUTPUT  101 


0        1/8      1/4       3/8      1/2      5/8      3/4  7/8 

ANALOG  INPUT 


110 

DIGITAL 
OUTPUT   101  -- 


0        1/8      1/4       3/8      1/2      5/8      3/4      7/8  FS 

ANALOG  INPUT 


Figure  3.25 

straight  line  is  drawn  through  the  end- 
points,  and  the  worst  deviation  of  any  code 
center  from  this  ideal  straight  line  is  the  INL 
as  shown  in  Figure  3.25.  In  some  cases, 
integral  non-linearity  is  defined  with  respect 
to  a  best-fit  straight  line  which  is  typically 
calculated  using  the  least-squares  method. 

Gain  and  offset  errors  apply  to  all  codes 
equally  and  are  usually  trimmed  out  in  a 
system  using  fairly  traditional  techniques. 

DAC  Static  Transfer  Characteristics 

The  basic  specifications  which  describe  the 
static  transfer  characteristics  of  a  DAC  are 
given  in  Figure  3.26. 

DAC  STATIC 
PERFORMANCE  SPECIFICATIONS 


Figure  3.24 
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Integral  Non-Linearity  (INL) 
Non-Monotonicity 
Gain  Error 
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Figure  3.26 

The  static  transfer  function  for  an  ideal  3- 
bit  DAC  is  shown  in  Figure  3.27.  The  digital 
input  values  are  plotted  on  the  horizontal 
axis  and  the  corresponding  analog  output 
values  on  the  vertical.  Unlike  an  ADC,  a 
DAC  cannot  have  a  missing  code.  There  will 
be  a  discrete  analog  output  voltage  produced 
for  each  digital  input  code.  Differential  non- 
linearity  is  defined  as  the  variation  in  the 
spacing  between  adjacent  analog  output 
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Figure  3.27 

values  from  the  ideal  1  LSB  value.  Excessive 
DNL  errors  can  result  it  non-monotonic 
conditions  as  shown  in  Figure  3.28.  A  DAC 
is  said  to  be  non-monotonic  if  an  increase  in 
the  digital  code  input  causes  a  decrease  in 
the  analog  output  value.  Conversely,  a  DAC 
is  said  to  be  monotonic  if  the  slope  of  its 
transfer  characteristic  has  the  same  sign 
over  its  entire  range.  Non-monotonic  condi- 
tions can  produce  oscillations  in  a  closed  loop 
system;  therefore,  this  specification  is  impor- 
tant in  the  selection  of  a  DAC  for  such  appli- 
cations. 

TRANSFER  FUNCTION 
FOR  NON-IDEAL  3-BIT  DAC 
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Integral  non-linearity  is  defined  as  the 
worst  case  variation  in  any  of  the  analog 
output  values  with  respect  to  an  ideal 
straight  line  drawn  through  the  end  points. 
As  with  an  ADC,  INL  may  also  be  defined 
with  respect  to  a  best-fit  straight  line. 

Gain  and  offset  definitions  are  similar  to 
those  for  ADCs  and  affect  each  analog  output 
value  equally. 


ADC  Dynamic  Performance 

In  order  to  be  useful  in  most  DSP  applica- 
tions, the  ADC  must  have  acceptable  dc  and 
ac  performance  characteristics.  A  listing  of 
the  most  important  dynamic  ADC  character- 
istics is  given  in  Figure  3.29. 

ADC 

DYNAMIC  SPECIFICATIONS 

■  Signal-to-Noise  Plus  Distortion  (S/N  +  D) 
Ratio  and  Effective  Number  of  Bits 

■  Peak  Spurious,  Peak  Harmonic  Content, 
and  Spurious  Free  Dynamic  Range  (SFDR) 

■  Total  Harmonic  Distortion  (THD) 

■  Full-Power  Bandwidth  (FPBW) 

■  Full-Linear  Bandwidth 

■  Intermodulation  Distortion  (IMD) 

■  Aperture  Delay  Time  and  Aperture  Jitter 

■  Transient  Response 

■  Overvoltage  Recovery 

Figure  3.29 

As  we  will  see  in  a  later  section,  there  are 
a  number  of  architectures  which  are  suitable 
for  DSP  ADC  designs,  and  most  require  a 
sample-and-hold  amplifier  (SHA)  ahead  of 
the  actual  converter  as  shown  in  Figure  3.30. 
Notable  exceptions  are  flash  converters  and, 
in  particular,  sigma-delta  converters.  To 
fully  characterize  the  dynamic  performance 
of  a  SHA-ADC  pair,  they  must  be  integrated 
onto  the  same  chip,  or  at  least  offered  as  a 
complete  functional  unit.  Otherwise,  it  is 
almost  impossible  to  determine  the  overall 
dynamic  performance  of  the  SHA-ADC 
combination  from  the  specifications  on  the 
individual  devices.  The  requirement  for 
complete  dc  and  ac  characterization  of  ADCs 
has  led  to  the  introduction  of  sampling  ADCs 
which  have  on-board  SHAs.  These  convert- 
ers eliminate  the  problems  of  interfacing 
SHAs  to  ADCs  and  provide  users  with  com- 
plete dc  and  ac  specifications. 
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ADC  WITH  TRACK-AND-HOLD 


Figure  3.30 

SlGNAL-TO-NoiSE  RATIO  AND  EFFECTIVE  BlTS 

As  has  been  previously  discussed,  the 
signal-to-noise  ratio  specification  is  probably 
the  most  all-inclusive  ac  specification  used  in 
the  industry  today.  Since  it  is  common 
practice  to  include  the  effects  of  harmonic 
distortion  in  this  measurement,  S/N+D  is 
defined  as  the  ratio  of  the  rms  value  of  the 
measured  input  signal  to  the  rms  sum  of  all 
other  spectral  components  below  the  Nyquist 
frequency,  including  harmonics,  but  exclud- 
ing dc.  A  typical  plot  of  S/N+D  is  shown  in 
Figure  3.31  for  three  high  speed  flash  ADCs. 
The  harmonic  distortion  performance  of  the 
AD9617  current  feedback  op  amp  is  shown 
on  the  same  graph  for  comparison.  The  SNR 
measurement  can  also  be  expressed  in  effec- 
tive bits,  or  ENOBs,  as  is  also  shown  in 
Figure  3.31. 
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Peak  Spumous,  Peak  Harmonic  Content,  and 
Spurious  Free  Dynamic  Range  (SFDR) 

The  peak  spurious  or  peak  harmonic 
component  is  the  largest  spectral  component 
excluding  the  input  signal  and  dc.  This  value 
is  expressed  in  dB  relative  to  the  rms  value 
of  a  fullscale  input  signal.  The  peak  spurious 
specification  is  also  occasionally  referred  to  a 
spurious  free  dynamic  range  (SFDR).  A 
typical  plot  showing  the  peak  spurious  per- 
formance for  the  AD678  is  shown  in  Figure 
3.32. 

PEAK  SPURIOUS  RESPONSE  FOR  AD678 
AT  200  kSPS,  NONAVERAGED  2048  POINT  FFT 
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Total  harmonic  distortion  (THD)  is  the 
ratio  of  the  rms  sum  of  the  first  six  harmonic 
components  to  the  rms  value  of  a  fullscale 
input  signal  and  is  expressed  in  a  percent- 
age or  in  dB.  For  input  signals  or  harmonics 
that  are  above  the  Nyquist  frequency,  the 
aliased  component  is  used.  Typical  THD  per- 
formance for  the  AD678  is  shown  in  Figure 
3.33. 

TOTAL  HARMONIC  DISTORTION,  FULL-POWER 
BANDWIDTH,  AND  FULL  LINEAR  BANDWIDTH 
FOR  AD678 


FULL  LINEAR  BANDWIDTH  -  500  kHz 


Figure  3.33 
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Full-Power  Bandwidth 

The  full-power  bandwidth  (FPBW)  of  an 
ADC  is  that  input  frequency  at  which  the 
amplitude  of  the  reconstructed  (using  FFTs) 
fundamental  is  reduced  by  3dB  for  a  fullscale 
input.  As  can  be  seen  from  Figure  3.33,  the 
full-power  bandwidth  of  the  AD678  is  ap- 
proximately 1MHz.  In  order  to  be  meaning- 
ful, however,  FPBW  must  be  examined  in 
conjunction  with  conjunction  with  SNR, 
ENOB,  and  harmonic  distortion  in  order  to 
determine  the  true  dynamic  performance  of 
the  ADC  at  the  FPBW  frequency. 


Full-Linear  Bandwidth 


The  full-linear  bandwidth  of  an  ADC  is  the 
input  frequency  at  which  the  slewrate  of  the 
input  sample-and-hold  (SHA)  is  reached.  At 
this  point,  the  amplitude  of  the  reconstructed 
sinewave  has  degraded  by  less  than  -O.ldB. 
Beyond  this  frequency,  distortion  of  the 
sampled  input  signal  increases  significantly  . 
The  AD678  ADC  has  been  designed  to  opti- 
mize input  bandwidth,  allowing  it  to  under- 
sample  input  signals  significantly  above  the 
converter's  Nyquist  frequency.  The  full- 
linear  bandwidth  specification  is  500kHz  for 
the  AD678  and  is  also  shown  in  Figure  3.33. 


Intermodulation  Distortion  (LMD) 


Intermodulation  distortion  (IMD)  occurs 
when  the  inputs  consist  of  sinewaves  at  two 
frequencies,  Fl  and  F2.  Any  device  with 
nonlinearities  will  create  distortion  products, 
of  the  order  (m+n),  at  sum  and  difference  fre- 
quencies of  mFl±  nF2,  where  m,  n  =  0,1,2,3 
...  Intermodulation  terms  are  those  for 
which  m  or  n  is  not  equal  to  zero.  For  ex- 
ample, the  second  order  terms  are  (Fl  +  F2) 
and  (Fl  -  F2),  and  the  third  order  terms  are 
(2F1  +  F2),  (2F1  -  F2),  (Fl  +  2F2),  and  (Fl  - 
2F2)  (see  Figure  3.34).  The  IMD  products 
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Figure  3.34 


are  expressed  as  the  dB  ratio  of  the  rms  sum 
of  the  measured  input  signals  to  the  rms  sum 
of  the  distortion  terms.  The  two  signals 
applied  to  the  ADC  are  of  equal  amplitude 
and  the  peak  value  of  their  sum  is  -0.5dB 
from  fullscale.  The  IMD  products  are  nor- 
malized to  a  OdB  input  signal.  A  typical  IMD 
FFT  plot  for  the  AD678  is  shown  in  Figure 
3.35. 
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Figure  3.35 

AC  Linearity  Plots  Using  Histograms 

For  this  measurement,  a  fullscale  sine- 
wave  is  applied  to  the  ADC,  and  a  large 
number  of  samples  are  taken.  The  number 
of  occurrences  of  each  code  is  recorded  on  a 
histogram  plot  as  shown  in  the  top  left-hand 
curve  in  Figure  3.36.  In  the  case  of  a  12-bit 
converter,  several  million  samples  are  re- 
quired in  order  to  achieve  statistically  signifi- 
cant results.  The  histogram  should  follow 
the  ideal  probability  density  distribution  of  a 
sinewave,  which  is  shown  in  the  top  right- 
hand  curve  in  Figure  3.36.  The  histogram 
data  is  then  normalized  using  the  sinewave 
probability  density  function  to  obtain  the 
DNL  plot  shown  in  the  bottom  curve  of  the 
figure.  Integral  non-linearity  can  be  deter- 
mined by  compiling  a  cumulative  histogram. 
The  cumulative  bin  widths  are  the  transition 
levels.  Figure  3.37  shows  an  ac  linearity  plot 
obtained  using  the  histogram  method  for  the 
AD7870  12-bit  lOOkSPS  ADC  digitizing  a 
25kHz  input  signal  at  a  lOOkSPS  rate.  The 
absence  of  large  spikes  in  the  plot  shows  good 
differential  linearity.  More  details  of  the 
mathematics  involved  is  given  in  the  AD7870 
data  sheet . 
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MEASUREMENT  OF  EFFECTIVE 
APERTURE  DELAY  TIME 
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AC  LINEARITY  OF  AD7870 
12-BIT,  100kSPS  ADC  WITH  25  KHZ  INPUT 


Figure  3.37 

Aperture  Delay  Time  (or  Effective  Aperture 
Delay  Time) 

Aperture  delay  time  (sometimes  called 
aperture  time)  is  the  amount  of  time  from 
the  leading  edge  of  the  sampling  clock  until 
the  ADC  actually  takes  the  sample  (see 
Figure  3.38).  This  specification  is  important 
because  it  helps  the  user  to  know  when  to 
apply  the  sampling  clock  with  respect  to  the 
input  signal  timing.  The  variation  or  toler- 
ance placed  on  this  parameter  from  part  to 
part  is  important  in  simultaneous  sampling 
applications  or  other  applications  where  the 
ADCs  are  required  to  track  each  other  when 
processing  dynamic  signals. 


Aperture  Jitter 

- 

Aperture  jitter  is  the  sample-to-sample 
variation  in  the  effective  point  in  time  at 
which  the  actual  sample  is  taken  as  shown  in 
Figure  3.39.  These  errors  generally  emanate 
from  several  sources.  In  a  practical  ADC,  the 
sampling  clock  is  often  phase-modulated  by 
some  unwanted  source;  the  source  can  be 
wideband  random  noise,  power  line  noise,  or 
digital  noise  due  to  poor  layout,  bypassing, 
and  grounding  techniques.  The  resulting 
error  can  be  expressed  in  terms  of  an  rms 
time  jitter.  The  corresponding  rms  voltage 
error  caused  by  rms  aperture  jitter  decreases 
the  overall  ADC  signal-to-noise  ratio.  Phase 
jitter  on  the  input  sinewave  can  produce  the 
same  effect  as  jitter  on  the  sampling  clock. 
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The  SNR  due  exclusively  to  aperture  jitter  is 
plotted  in  Figure  3.40  as  a  function  of  fulls- 
cale  sinewave  input  frequency  for  various 
values  of  aperture  jitter.  The  equation  for 
SNR  due  to  aperture  jitter  is  derived  in 
Reference  1. 
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Figure  3.40 

Transient  Response  or  Settling  Time 
The  transient  response  (or  settling  time) 
of  an  ADC  is  the  time  required  for  the  ADC 
to  settle  to  rated  accuracy  after  the  applica- 
tion of  a  fullscale  step  input  (see  Figure 
3.41).  This  specification  is  critical  in  applica- 
tions where  the  ADC  is  being  driven  by  an 
analog  multiplexer  as  shown  in  Figure  3.42. 
The  multiplexer  output  can  deliver  a  fullscale 
sample-to-sample  change  to  the  ADC  input. 
If  both  the  multiplexer  and  the  ADC  have  not 
both  sufficiently  settled  to  the  required  accu- 
racy, dc  channel-to-channel  crosstalk  will 
result. 
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Figure  3.42 

OVERVOLTAGE  RECOVERY 

Overvoltage  recovery  time  is  defined  as 
that  amount  of  time  required  for  the  ADC  to 
achieve  a  specified  accuracy,  measured  from 
the  time  the  overvoltage  signal  re-enters  the 
converter's  range,  as  shown  in  Figure  3.43. 
This  specification  is  usually  given  for  a  signal 
which  is  50%  outside  the  ADC's  input  range. 
Needless  to  say,  the  ADC  should  act  as  an 
ideal  limiter  for  out-of-range  signals  and 
should  produce  either  the  positive  fullscale 
code  or  the  negative  fullscale  code  during  the 
overvoltage  condition.  Some  converters 
provide  over-  and  under-range  flags  to  allow 
gain-adjustment  circuits  to  be  activated. 
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DAC  Dynamic  Performance 


Since  most  DSP  applications  involve  the 
eventual  reconstruction  of  a  dynamic  analog 
signal,  ac  performance  of  DACs  has  become 
as  important  as  ADC  performance.  Key  DAC 
ac  performance  characteristics  are  given  in 
Figure  3.45. 

DAC 

DYNAMIC  SPECIFICATIONS 

■  Settling  Time 

■  Glitch  Impulse  Area 

■  Harmonic  Distortion 

■  Signal-to-Noise  Ratio 

■  Audio-Specific  Specifications 

Figure  3.44 
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Settling  Time 
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Settling  time  of  a  DAC  is  traditionally 
defined  as  the  time  from  the  digital  input 
transition  (usually  measured  from  the  50% 
point)  until  the  DAC  output  settles  to  within 
a  certain  error  band  (usually  1/2  LSB)  which 
is  centered  around  the  final  value.  As  shown 
in  Figure  3.45,  a  portion  of  the  settling  time 
may  be  due  to  a  fixed  propagation  delay 
through  the  switches.  If  the  DAC  has  a  set 
of  input  latches  or  registers,  the  settling  time 
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should  be  measured  from  the  50%  point  of 
the  latch  strobe  or  register  clock.  Fullscale 
DAC  settling  time  is  measured  for  a  digital 
input  transition  from  000...0  to  11L..1. 
Midscale  settling  time  is  measured  for  a 
digital  transition  from  0U...1  to  100...0  or 
100...0to011...1. 

It  is  entirely  correct  to  define  DAC  settling 
time  with  respect  to  the  output  alone  as 
shown  in  Figure  3.46.  Settling  time  is  meas- 
ured from  the  time  the  output  leaves  a  ±_l/2 
LSB  error  band  centered  around  the  initial 
value  until  the  time  the  output  remains 
within  a  ±  1/2  LSB  error  band  centered 
around  the  final  value.  The  maximum  DAC 
update  rate  allowable  for  +1/2  LSB  fullscale 
settling  time  then  becomes       =  l/tg.  Faster 
update  rates  can  be  used  if  sample-to-sample 
changes  in  the  DAC  input  are  limited  to 
values  less  than  fullscale. 

SETTLING  TIME  DEFINED  WITH 
RESPECT  TO  DAC  OUTPUT 
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Figure  3.46 


Glitch  Impulse  Area 

Glitch  impulse  area  is  best  understood  by 
examining  the  waveform  shown  in  Figure 
3.47.  DAC  glitches  occur  because  of  digital 
input  logic  skew  and  unequal  propagation 
delays  through  the  DAC  switches  (a  note- 
worthy exception  to  this  is  the  sigma-delta 
DAC  architecture  to  be  discussed  later  in 
this  seminar).  The  glitches  are  usually  the 
largest  at  the  midscale  transition  because  all 
bits  in  the  DAC  are  changing  at  this  point. 
The  glitch  produced  by  the  011...1  to  100...0 
transition  is  usually  different  from  that 
produced  by  the  100.. .0  to  011... 1  transition, 
so  each  must  be  analyzed.  Glitch  impulse 
area  is  simply  the  area  of  a  particular  glitch, 
and  is  usually  measured  in  the  units  of  pV- 
sec,  therefore  the  fullscale  output  voltage  of 
the  DAC  must  be  known  in  order  to  make 
meaningful  comparisons  between  DACs.  The 
term  glitch  energy  is  incorrect  since  the  unit 
pV-sec  is  not  a  measure  of  energy. 

From  Figure  3.47  it  is  clear  that  there  are 
six  possible  glitch  impulse  areas  to  deal  with. 
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GLITCH  IMPULSE  WAVEFORMS 
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Figure  3.47 

There  are  two  glitch  impulses  associated 
with  each  transition.  Their  respective  areas 
are  designated  1,2,3,  and  4.  In  addition,  it  is 
also  useful  to  consider  the  net  glitch  impulse 
area  associated  with  each  of  the  two  transi- 
tions. There  are,  respectively,  AREA  1  - 
AREA  2,  and  AREA  3 -AREA  4.  When 
examining  the  glitch  impulse  area  specifica- 
tion on  a  DAC  data  sheet,  it  is  therefore  clear 
that  there  is  much  room  for  confusion  unless 
a  considerable  amount  of  clarification  is 
provided  by  the  manufacturer. 

Glitch  impulse  area  remains  constant 
regardless  of  filtering.  Fast  settling  time 
specifications  do  not  always  imply  low  glitch 
impulse  areas.  The  desirable  situation  is  for 
the  DAC  to  have  a  net  glitch  impulse  area  of 
zero  for  each  of  the  two  transitions,  i.e., 
AREA  1  -  AREA  2  =  AREA  3  -  AREA  4  =  0. 
In  the  ideal  case,  of  course,  each  of  the  four 
areas  would  be  zero. 


Because  the  net  glitch  impulse  area  is 
code-dependent,  it  will  produce  harmonics 
when  the  DAC  is  reconstructing  a  sinewave. 
A  net  midscale  glitch  occurs  twice  during  a 
single  cycle  of  the  reconstructed  sinewave  (at 
each  zero  crossing)  and,  therefore,  will  pro- 
duce a  second  harmonic  of  the  sinewave  as 
shown  in  Figure  3.48.  Note  that  higher 
order  harmonics  of  the  sinewave  which  alias 
back  into  the  Nyquist  bandwidth  are  not 
filterable.  It  is  difficult  to  predict  the  har- 
monic distortion  caused  by  a  specified  net 
glitch  impulse  area,  therefore,  both  specifica- 
tions are  required  to  adequately  evaluate  the 
dynamic  performance  of  a  reconstruction 
DAC. 

Total  harmonic  distortion  (THD)  can  be 
measured  using  DSP  techniques  as  shown  in 
Figure  3.49  for  the  AD1860  18-bit  audio 

EFFECTS  OF  DAC  GLITCHES 
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Figure  3.49 


DAC.  The  DAC  is  driven  with  an  18-bit 
digital  sinewave  having  a  frequency  of 
990.5Hz,  and  the  DAC  update  rate  is 
176.4kHz.  The  DSP  digitizes  4096  samples 
of  the  output  test  waveform,  incorporating  23 
complete  cycles  of  the  sinewave.  A  4096 
point  FFT  is  performed  on  the  results  of  the 
test.  The  total  harmonic  distortion  and  the 
SNR  is  then  calculated  from  the  FFT  results. 
The  notch  filter  prevents  the  large-amplitude 
fundamental  component  at  990.5Hz  from 
entering  the  digitizer,  thereby  allowing  the 
entire  digitizer  range  to  be  dedicated  to  proc- 
essing the  noise  and  harmonic  components. 
Figure  3.50  shows  a  typical  THD  +  noise 
plot  for  both  a  fullscale  input  and  a  -20dB 
input.  It  should  be  noted  that  neither  a 

deglitcher  nor  an  MSB  trim  are  used  in  these 

.  j.G  3*1  us 1 1  ill  rr..0iT8  ~  dr  rz 
measurements. 

FFT-MEASURED 
TOTAL  HARMONIC  DISTORTION 
FOR  AD1 860  1 8-BIT  AUDIO  DAC 
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Figure  3.50 

Deglitching  DACs  Using  SHAs 

SHAs  can  be  used  to  deglitch  DACs  as 
shown  in  Figure  3.51.  Just  prior  to  latching 
new  data  into  the  DAC,  the  SHA  is  put  into 
the  hold  mode  so  that  the  DAC  switching 
glitches  are  isolated  from  the  output.  The 
switching  transients  produced  by  the  SHA 
are  code-independent  and  occur  at  the  up- 
date frequency,  hence,  they  are  easily  filter- 
able. 
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Sin(x)/x  Frequency  Rolloff  Effect 

The  output  of  a  reconstruction  DAC  can  be 
visualized  as  a  series  of  rectangular  pulses 
whose  width  is  equal  to  the  reciprocal  of  the 
update  rate  as  shown  in  Figure  3.52.  Note 
that  the  reconstructed  signal  is  down  3.92dB 
at  the  Nyquist  limit  with  respect  to  the  low 
frequency  value.  An  inverse  sin(x)/x  filter  is 
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Switched  Capacitor  Filters 

Signals  were  once  filtered  entirely  in  the 
continuous  analog  domain  by  configurations 
of  passive  components  (typically  inductors, 
resistors,  and  capacitors).  Laterf  active 
filters,  with  op  amps  for  buffering  and  gain, 
provided  filter  designers  with  additional 
flexibility  and  performance,  but  still  operated 
continuously  on  analog  signals.  DSP  led  to 
stable  and  flexible  discrete-time  digital 
niters,  where  sampled  analog  signals  are 
processed  entirely  by  numerical  calculations 
with  filtering  algorithms — some  of  which 
cannot  be  realized  with  continuous-time 
analog  filters. 

Switched-capacitor  filters  (SCFs)  are  an 
intermediate  class,  combining  both  continu- 
ous- and  discrete-time  aspects.  They  are 
usually  implemented  using  CMOS  switches 
and  capacitors  to  simulate  the  behavior  of 
resistors,  therefore,  many  filter  architectures 
can  be  realized  entirely  by  a  monolithic 
device  without  the  need  for  external  compo- 
nents. SCFs  are  particularly  useful  for  voice 
and  audio  bandwidth  signal  applications  in 
conjunction  with  DSP  technology.  Since 
SCFs  are  sampling  devices,  all  the  concepts 
of  discrete  time  sampling  apply  to  their  use: 
Nyquist's  theorem,  aliasing,  etc. 

FILTERING  TECHNIQUES 

■  Crystals,  SAWs 

■  Passive  Components  (R,  L,  and  C) 

■  Active  Filters  (R,  C,  and  Op-Amps) 

■  Switched  Capacitor  Filters  (CMOS  Switches 
and  Capacitors  Replace  Resistors) 

■  Digital  Filters  (Numerical  Realizations  Which 
May  Have  No  Analog  Counterpart) 

Figure  3.53 

The  fundamental  concept  of  a  switched  ca- 
pacitor acting  as  a  resistor  can  best  be  under- 
stood from  the  concept  of  charge  transfer  as 
shown  in  Figure  3.54.  If  the  capacitor  is 
switched  from  Vj  to  V2,  an  instantaneous 
charge  transfer  occurs,  AQ  =  C(Vj  -  V2), 
either  into  or  out  of  V2.  This  assumes  that  C 
has  no  series  resistance,  and  that  Vj  and  V2 
are  ideal  voltage  sources.  If  the  switch  is 
thrown  back  and  forth  at  a  clock  frequency,  f 
(having  a  period  T),  then  an  average  current, 
i,  flows  between  Vj  and  V2  having  a  value 
i  =  AQ/T  =  CAV/T.  The  equivalent  resis- 
tance, "R",  that  would  give  the  same  average 
current  is  given  by  : 

"R"  =  AV/i  =  T/C  =  L/(Cf9). 


SWITCHED  CAPACITOR  "RESISTOR" 
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Figure  3.54 

In  an  integrated  circuit,  the  single-pole 
double-throw  switch  is  implemented  using 
CMOS  switches  driven  by  a  non-overlapping 
two-phase  clock  as  shown  in  Figure  3.55.  A 
requirement  for  this  technique  to  work  is 
that  the  switches  have  very  low  on  resistance 
and  very  high  off  resistance.  This  is  precisely 
what  CMOS  technology  offers. 

CMOS  IMPLEMENTATION  OF 
SWITCHED  CAPACITOR 
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Figure  3.55 

Using  this  SC  resistor-equivalent,  many 
conventional  passive  and  active  filter  con- 
figurations can  be  realized.  Figure  3.56 
shows  a  single-pole  passive  RC  filter  and  its 
SCF  equivalent.  The -3dB  frequency  of  the 
RC  filter  is  I/^iuRjCj).  For  the  SCF  version, 

f3dB  =  fsCi/(2jlC2>- 
SC  EQUIVALENT 

NETWORK 


Figure  3.56 
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Note  that  for  the  SCF  version,  the  band- 
width depends  on  the  sampling  rate  and  the 
ratio  of  the  capacitor  values.  A  major  as- 
sumption which  must  be  made  is  that  fs  » 
f3ip  (typically  50  to  100)  to  minimize  the 
effects  of  time-sampling  and  charge-sharing. 
Using  the  SCF  concept,  critical  frequencies 
are  therefore  determined  by  capacitor  ratios 
and  the  sampling  clock  frequency,  both  of 
which  can  be  made  precise  and  drift  free. 

Audio  and  voiceband  filtering  with  SC 
filters  can  greatly  reduce  passive  component 
physical  size.  To  implement  audio  filters,  a 
resistance  on  the  order  of  lOMft  is  required  if 
a  monolithic  capacitor  of  reasonable  size  (~ 
lOpF)  is  to  be  used.  This  value  of  resistance 
is  easily  achieved  by  switching  a  lpF  capaci- 
tor at  a  100kHz  rate,  requiring  a  silicon  area 
of  approximately  0.01mm2.  IfthelOMQ 
resistor  were  implemented  using  polysilicon 
or  diffusion,  the  area  required  would  be  at 
least  100  times  larger. 

SWITCHED  CAPACITOR 
FILTER  ADVANTAGES 

■  Filter  Bandwidths  Proportional  to 
Capacitance  Ratios  Not  Absolute  Values 

■  Filter  Bandwidths  Variable  with  Clock 
Frequency 

■  Defined  Like  Classic  Analog  Filters 

■  Low  Values  of  Capacitance  Required  for 
Audio  Frequencies:  lpF  Capacitor 
Switched  at  100kSPS  =  10  Ma  "Resistance" 

■  SCFs  Ideally  Suited  to  DSP  CMOS  Processes 


FIRST  ORDER 
ACTIVE  LOWPASS  RC  FILTER 
AND  SCF  EQUIVALENT 


Figure  3.58 

Differential  amplifiers  are  often  used  in 
analog  circuits  to  achieve  good  common  mode 
rejection  of  unwanted  signals  such  as  power 
line  noise,  etc.  The  same  principles  can  be 
used  in  designing  switched  capacitor  filters. 
Figure  3.59  shows  an  active  differential 
integrator  and  its  switched  capacitor  equiva- 
lent. In  addition  to  providing  good  CMRR  to 
noise,  the  differential  configuration  also 
provides  common  mode  rejection  to  the 
transients  caused  by  the  operation  of  the 
switches.  Switched  capacitor  integrators  are 
often  used  in  the  modulator  circuits  of  a 
Sigma-Delta  ADCs  as  will  be  discussed  later 
in  this  seminar. 

ACTIVE  DIFFERENTIAL  INTEGRATOR 
AND  SCF  EQUIVALENT 


Figure  3.57 

By  using  SC  resistors  in  conjunction  with 
other  capacitors  and  op  amps,  it  is  possible  to 
realize  many  of  the  circuit  configurations 
used  in  conventional  RC  active  filters.  Un- 
like digital  filters,  SC  filters  may  be  defined 
exactly  like  analog  filters.  A  first-order 
continuous-time  active  lowpass  RC  filter  and 
its  SC  counterpart  are  shown  in  Figure  3.58. 

Since  they  sample  analog  signals,  SC 
filters  must  usually  be  preceded  by  a  continu- 
ous-time antialiasing  prefilter  to  eliminate 
spectral  components  above  the  Nyquist 
frequency.  Since  the  SC  filter  sampling  rate 
is  usually  much  higher  than  its  passband,  a 
single  or  double  pole  RC  filter  is  usually 
sufficient  for  this  purpose. 
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audio  Danctwiatn,  since  sampling  rates 
greater  than  a  few  hundred  kilohertz  cannot 
be  readily  achieved  with  current  CMOS  tech- 
nology. The  switched  capacitors  and  op  amps 
introduce  random  noise,  and  leakage  cur- 
rents can  produce  offset  errors.  Clock 
feedthrough  from  the  switches  themselves 
can  produce  synchronous  errors.  Finally, 
since  SCFs  are  sampling  devices,  large  over- 
sampling  ratios  are  usually  required  in  order 
to  prevent  errors  due  to  aliasing. 


■  Limited  to  Lower  Frequencies 

■  Noise,  Offset,  and  Distortion 

■  Clock  Feedthrough  from  Switches 

■  Must  Obey  the  Laws  of  Nyquist 
(Requires  Antialiasing  Filter) 

Figure  3.60 
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APPENDIX  25-1 


A/D  and  D/A  Conversion  Factors 


No.  of 

Resolution 

Bits 

2(n) 

% 

ppm 

Volts 

idS 

A 

1 
1 

i  aa  a 
100. 0 

1     AAA  AAA 
1,000,000 

1  A  AAAAAAA 

10.0000000 

A  A 

0.0 

1 

2 

C  A  A 

50.0 

CAA  AAA 

500,000 

C  AAAAAAA 

5.0000000 

/■  A 

-6.0 

2 

4 

1  C  A 

25.0 

1CA  AAA 

250,000 

1  CAAAAAA 

2.5000000 

-12.0 

3 

8 

12.5 

11C  AAA 

125,000 

1  IffAAAAA 

1.2500000 

-18.1 

4 

16 

6.25 

62,500 

0.6250000 

-24.1 

5 

32 

3.125 

31,250 

0.3125000 

-30.1 

6 

64 

1.563 

15,625 

0.1562500 

-36.1 

7 

128 

0.781 

7,813 

0.0781250 

-42.1 

8 

256 

0.391 

3,906 

0.0390625 

-48.2 

9 

512 

0.195 

1,953 

0.0195313 

-54.2 

10 

1,024 

0.0977 

977 

0.0097656 

-60.2 

11 

2,048 

0.0488 

488 

0.0048828 

-66.2 

i  i 

n  f\~>AA 

U.UZ'f^f 

A  (\f\lAA'\A 

n  i 

—  /Z.Z 

13 

8,192 

0.0122 

122 

0.0012207 

-78.3 

14 

16,384 

0.0061 

61 

0.0006104 

-84.3 

15 

32,768 
65,536 

0.00305 

31 

0.0003052 

-90.3 

16 

0.00153 

15 

0.0001526 

-96.3 

17 

131,072 

0.00076 

8 

0.0000763 

-102.4 

18 

262,144 

0.00038 

4 

0.0000381 

-108.4 

19 

524,288 

0.00019 

2 

0.0000191 

-114.4 

20 

1,048,576 

0.00010 

1 

0.0000095 

-120.4 

21 

2,097,152 

0.00005 

0.5 

0.0000048 

-126  A 

22 

4,194,304 

0.00002 

0.24 

0.0000024 

-132.5 
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Digital  Codes 


Hexi- 

Natural 

Comp 

Offset 

Sign  + 

Twos 

Ones 

Decimal 

Octal 

Decimal 

Binary 

Binary 

Binary 

Magnitude 

Complement 

Complement 

15 

17 

F 

1111 

0000 

14 

16 

E 

1110 

0001 

13 

15 

D 

1101 

0010 

12 

14 

C 

1100 

0011 

11 

13 

B 

1011 

0100 

10 

12 

A 

1010 

0101 

9 

11 

9 

1001 

0110 

8 

10 

8 

1000 

0111 

7 

7 

7 

0111 

1000 

1111 

0111 

0111 

0111 

6 

6 

6 

0110 

1001 

1110 

0110 

0110 

0110 

5 

5 

5 

0101 

1010 

1101 

0101 

0101 

0101 

4 

4 

4 

0100 

1011 

1100 

0100 

0100 

0100 

3 

3 

3 

0011 

1100 

1011 

0011 

0011 

0011 

2 

2 

2 

0010 

1101 

1010 

0010 

0010 

0010 

1 

1 

1 

0001 

1110 

1001 

0001 

0001 

0001 

+0 

+0 

+0 

0000 

1111 

1000 

0000 

0000 

0000 

-0 

1000 

1000 

0000 

1111 

-1 

0111 

1001 

1111 

1110 

-2 

0110 

1010 

1110 

1101 

-3 

0101 

1011 

1101 

1100 

-4 

0100 

1100 

1100 

1011 

-5 

0011 

1101 

1011 

1010 

-6 

0010 

1110 

1010 

1001 

-7 

0001 

1111 

1001 

1000 

-8 

0000 

1000 
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Accuracy 

Resolution 

Number  oi 

Bits 

n/ 

% 

Time  Constants 

0 

100.0 

0.00 

1 

50.0 

0.69 

2 

25.0 

1.39 

3 

12.5 

2.08 

4 

6.25 

2.77 

5 

3.125 

3.47 

6 

1.563 

4.16 

7 

0.781 

4.85 

8 

0.391 

5.55 

9 

0.195 

6.24 

10 

0.0977 

6.93 

11 

0.0488 

7.62 

12 

0.0244 

8.32 

13 

0.0122 

9.01 

14 

0.0061 

9.70 

15 

0.00305 

10.40 

16 

0.00153 

11.09 

17 

0.00076 

11.78 

18 

0.00038 

12.48 

19 

0.00019 

13.17 

20 

0.000095 

13.86 

21 

22 

0.000048 

14.56 

0.000024 

15.25 
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 Voltage  Gain  to  dB  Conversion 


dB 

Gain 

dB 

Gain 

dB 

Gain 

0 

1.000 

10 

3.162 

20 

10 

1 

1.122 

11 

3.548 

30 

32 

2 

1.259 

12 

3.981 

40 

100 

3 

1.413 

13 

4.467 

50 

316 

4 

1.585 

14 

5.012 

60 

1,000 

5 

1.778 

15 

5.623 

70 

3,162 

6 

1.995 

16 

6.310 

80 

10,000 

7 

2.239 

17 

7.079 

90 

31,623 

8 

2.512 

18 

7.943 

100 

100,000 

9 

2.818 

19 

8.913 

110 

316,228 

120 

1,000,000 
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Worldwide  Sales  Directory 


North  American  Sales  Offices 

Alabama:  '404-263-3719,  205-534-0044 

Alaska:  *206-575-6344.  '714-641-9391 

Arizona:  602-949-0048 

Arkansas:  '214-231-5094 

California:  '714-641-9391,  M08-559-2037 

Colorado:  303-443-5337 

Connecticut:  '516-366-0765 

Delaware:  *21 5-643-7790 

Florida:  '407-660-8444 

Georgia:  '404-263-3719,  404-263-0320 

Hawaii:  '714-641-9391 

Idaho:  303-443-5337,  '206-575-6344 

Illinois:  '708-519-1777 

Indiana:  '219-489-3083 

Iowa:  '708-519-1777 

Kansas:  913-829-2800 

Kentucky:  205-534-0044 

Louisiana:  '214-231-5094 

Maine:  '617-461-3000 

North  American  Distributors 

Alabama:  Alliance  505-292-3360:  Allied  205- 
721-3500,  205-476-1875;  Bell  205-837-1074; 
Future  205-830-2322;  Hall-Mark  205-837-8700; 
Pioneer  205-837-9300 

Arizona:  Alliance  505-292-3360;  Allied  602-437- 
9080;  Bell  602-966-7800;  Future  602-968-7140; 
Hall-Mark  602-437-1200;  Wyle  602-437-2088 
California:  Alliance  505-292-3360;  Allied  415- 
770-0590,  818-882-6981,  213-373-8828,  714-727- 
3010,  916-632-3104,  619-279-2550,  415-952- 
9599;  Bell  310-826-6778,  916-652-0414,  408- 
734-8570,  818-879-9494,  714-895-7801,  619-268- 
1277;  Future  818-772-6240,  619-625-2800,  714- 
250-4141,  408-434-1122;  Hall-Mark  81 8-773- 
4500,  714-727-6000,  619-268-1201,  408-432- 
4000,  916-624-9781;  Pioneer  800-535-1430, 
213-320-4820,  619-434-4107,  408-954-9100; 
Semi-Dice  310-594-4631,  714-952-2216,  408- 
980-9777,  800-325-6030  (in  CA),  800-626-4411, 
800-345-6633  (outside  CA,  MA);  Wyle  714-863- 
9953.  818-880-9000,  800-288-9953,  916-638- 
5282,800-627-9953,408-727-2500,619-565-9171 
Colorado:  Alliance  505-292-3360;  Allied  303- 
790-1664;  Bell  303-691-9010;  Future  303-42 1- 
0123  Hall-Mark 303-790-1 662;  Wyle  303-457-9953 
Connecticut:  Alliance  617-756-1910;  AWed203- 
272-7730;  Bell  203-269-6801 ;  Future  203-743- 
9594;  Hall-Mark  203-271-2844;  Pioneer  203- 
929-5600 

Florida:  Alliance  505-292-3360;  Allied  305-978- 
3008,  904-346-0761,  407-831-3331,  813-541- 
4660;  Bell  407-339-0078,  305-421-1997,  813- 
541-4434;  Chip  Supply  407-298-71 00;  Future 
407-767-8414,  813-530-1222;  Hall-Mark  407- 
830-5855,  305-971-9280,  813-541-7440;  Pioneer 
407-834-9090,  305-428-8877 
Georgia:  Alliance  505-292-3360;  Allied  404- 
497-9544;  Bell  404-662-0923;  Future  404-441- 
7676;  Hall-Mark  404-623-4400;  Pioneer  404- 
623-1003 

Illinois:  Alliance  505-292-3360;  Allied  708-91 8- 
0250,  708-535-0038,  708-860-0007;  Bell  708- 
640-1910,  217-328-1077;  Future  708-882-1255; 
Hall-Mark  708-860-3800;  Newark  312-784-5100; 
Pioneer  708-495-9680 

Indiana:  Alliance  505-292-3360;  Allied  31 7-875- 
0448;  Bell  317-875-8200,  219-423-3422; 
Hall-Mark  317-872-8875;  Pioneer  31 7-573-0880 
Iowa:  Alliance  505-292-3360;  Allied  515-223- 
6488;  Bell  319-395-0730 

Kansas:  Alliance  505-292-3360;  Allied  91 3-599- 
*Analog  Devices,  Inc.,  Direct  Sales  Offices 


and  Representatives 

Maryland:  '410-992-1995 

Massachusetts:  '617-461-3000 

Michigan:  313-489-1500,  '313-348-5795 

Minnesota:  612-835-9234 

Mississippi:  '404-263-3719,  205-534-0044 

Missouri:  314-521-2044,  913-829-2800 

Montana:  801-466-9336,  '714-641-9391 

Nebraska:  913-829-2800 

Nevada:  '408-559-2037,  '714-641-9391 

New  Hampshire:  '617-461-3000 

New  Jersey:  '516-366-0765  (north),  '215- 

643-7790  (south) 

New  Mexico:  303-443-5337 

New  York:  '315-682-5571,  '516-366-0765 

(metro),  716-425-9100  (upstate) 

North  Carolina:  '404-263-3719,  919-460-7771 

North  Dakota:  612-835-9234 

Ohio:  216-247-0060,  614-487-1882 

Oklahoma:  '214-231-5094 

Oregon:  '206-575-6344 


6227;  Hall-Mark  91 3-888-4747 

Kentucky:  Alliance  505-292-3360;  Allied  502- 

452-2293;  Bell  800-582-7492,  800-445-8795 

Louisiana:  Alliance  505-292-3360;  Allied  504- 

885-1195 

Maryland:  Alliance  505-292-3360;  A///ed  301- 
381-1560;  Bell  410-290-5100;  Future  410-290- 
0600;  Hall-Mark  301-988-9800;  Pioneer  301- 
921-0660 

Massachusetts:  Alliance  617-729-5800,  617- 
756-1910;  Allied  508-667-7921,  617-255-0361; 
Bell  508-474-8880;  Future  508-779-3000;  Hall- 
Mark  508-667-0902,  508-935-9777;  Pioneer  617- 
861-9200;  Semi-Dice  508-238-8344;  VVy-te617- 
272-7300 

Michigan:  Alliance  505-292-3360;  A//;'ed313- 
462-0190,616-949-8200;  Bell 800-582-7492,  313- 
347-6633;  Fufure313-261-5270;  Hall-Mark  313- 
416-5800;  P/oneer61 6-698-1 800,  313-525-1800 
Minnesota:  Alliance  505-292-3360;  Allied  612- 
881-0838;  Bell  612-941-1493;  Future  612-944- 
2200;  Hall-Mark  612-881-2600;  Pioneer  612- 
944-3355 

Missouri:  Alliance  505-292-3360;  A///ed314- 

291-  7031;  Bell  314-647-2365;  Future  314-469- 
6805;  Hall-Mark  314-291-5350;  Pioneer  314- 
542-3077 

Nebraska:  Alliance  505-292-3360;  Allied  402- 
697-0038 

New  Hampshire:  Alliance  617-756-1910;  Allied 
603-883-3006 

New  Jersey:  Alliance  505-292-3360;  Allied  201- 
428-3350,  609-234-7769;  Bell  201-227-6060; 
Future  201-299-0400;  Hall-Mark  609-235-1900, 
201  -51 5-3000;  Pioneer  201-575-351 0 
New  Mexico:  Alliance  505-292-3360;  Bell  505- 

292-  2700 

New  York:  Alliance  617-756-1910;  A///'ed516- 
248-2360,  908-572-9600,  914-452-1470,  716-425- 
3850;  Future  716-272-1120,  315-451-2371,  516- 
234-4000;  Hall-Mark  716-425-3300,  516-737- 
0600;  Pioneer  71 6-381  -7070,  516-921-8700, 
607-722-9300,  212-971-9560;  Semi-Dice  516- 
234-7676 

North  Carolina:  Alliance  505-292-3360;  Allied 
919-876-5845;  Bell  919-821-4041 ;  Future  704- 
455-9030,  919-790-7111;  Hall-Mark  91 9-872- 
0712;  Pioneer  91 9-544-5400,  704-527-8188, 
919-460-1530 

Ohio:  Alliance  505-292-3360;  Allied  513-771- 
6990,  216-248-4200,  614-785-1270;  Bell  800- 


Pennsylvania:  '215-643-7790  (east),  412- 

745-8441  (west) 

Rhode  Island:  '617-461-3000 

South  Carolina:  919-460-7771 

South  Dakota:  612-835-9234 

Tennessee:  '404-263-3719,  404-263-0320 

(east),  404-534-0044  (west) 

Texas:  '214-231-5094 

Utah:  801-466-9336 

Vermont:  '617-461-3000 

Virginia:  '410-992-1995 

Washington:  '206-575-6344 

West  Virginia:  412-745-8441 

Wisconsin:  "708-519-1777 

Wyoming:  801-466-9336 

Puerto  Rico:  '407-660-8444,  809-753-8905 

Canada:  416-821-7800,  613-564-0014, 

514-697-0801,  604-465-6892 

Mexico:  '617-461-3000 


348-4619,  513-435-8660,  513-434-8231;  Future 
216-449-6996;  Hall-Mark  216-349-4632,  614- 
888-3313;  Pioneer  216-587-3600,  513-236-9900, 
614-221-0043 

Oklahoma:  Alliance  505-292-3360;  A/fted918- 
664-0844;  Hall-Mark  918-254-6110;  Pioneer 
918-665-7840 

Oregon:  Alliance  505-292-3360;  Allied  503-245- 
4225;  Bell  503-644-1500;  Future  503-645-9454; 
Wyle  503-643-7900 

Pennsylvania:  Alliance  505-292-3360;  Allied 
717-975-3570,  412-367-4124;  Bell  215-953-2800, 
800-525-6666;  Future  609-596-4080;  Hall-Mark 
215-355-7300;  Pioneer  215-674-4000,  412-782- 
2300 

South  Carolina:  Alliance  505-292-3360;  Allied 

803-  288-8835;  Bell  800-322-7908 
Tennessee:  Alliance  505-292-3360;  A///ed901- 
367-2895;  Bell  615-367-4400 

Texas:  Alliance  505-292-3360;  Allied  817-595- 
3500,  512-389-3771,  214-553-4370,  214-570- 
5196,  915-779-6294,  713-446-8005,  713-455- 
3993;  Bell  214-690-0466;  Future  713-556-8696, 
214-437-2437;  Hall-Mark  214-343-5000,  512- 
258-8848,  214-553-4300,  713-781-6100;  Pioneer 
512-835-4000,  214-386-7300,  713-495-4700,  512- 
377-3440;  Wyle  512-345-8853,  214-235-9953, 
713-879-9953,  800-888-9953 
Utah:  Alliance  505-292-3360;  Allied  801-261- 
5244;  Bell  801  -255-9611;  Future  801-972-8489; 
Hall-Mark  801-973-4737;  Wyle  801-974-9953 
Vermont:  Alliance  617-756-1910;  Allied 
603-883-3006 

Virginia:  Alliance  505-292-3360;  Allied 

804-  363-8862,  703-644-9515 
Washington:  Alliance  505-292-3360;  Allied 
206-547-2827;  Bell  206-867-5410,  213-826-6778; 
Future  206-489-3400;  Hall-Mark  206-547-0415; 
Wyle  206-881-1 150 

Wisconsin:  Alliance  505-292-3360;  Allied  414- 
796-1280;  Bell  414-547-8879;  Future  414-786- 
1884;  Hall-Mark  414-797-7844;  P/oneer414- 
784-3480 

Canada:  Future  514-694-7710,  613-820-8313, 
416-638-4771,  604-294-1166,  403-436-2858,  416- 
612-9200;  Zentronics  403-482-3038,  604-273- 
5575,  403-295-8838,  416-564-8600,  613-226- 
8840,  418-654-1077,  204-694-1957,  514-737- 
9700,  416-798-7710,  416-507-2600 
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 16-17,  21 

lOA  16-11-16,  21,  53 

AD2S81  16-17 

AD2S81A  16-11-16,  21 

AD2S82  16-17 

AD2S82A  16-21 

AD2S83    16-21,  30,  53-55 

AD2S90    16-45-47,  49-51 

AD2S100    16-33,  40-41 

AD2S110  16-40-42 

AD208    8-71-72;  11-3,  5-6,  8-9 

AD230    5-3 

AD232    5-6 

AD233   ,   5-4 

AD235    5-4 

AD241   5-3,  7-8 

AD246    11-5-6,  8-9 

AD301    23-20 

AD311   8-118,  166;  23-20,  42,  44 

AD346    3-29-32 

AD380    8-112;  13-24 

AD390   13-24 

AD394    13-24 

AD395   13-24 

AD396    13-24 

AD507    6-34-36;  13-20,  24 

AD508    13-24 

AD509    6-31;  8-20;  13-20-21;  23-26 

AD510  13-21,  24;  24-4 

AD517  8-72;  13-24;  23-29 

ADS  18  13-24 

AD521    8-73;  13-22-23,  23-24;  23-26 

AD522   10-8-10 

AD524    6-11,  21,  24;  8-7-8;  10-11,  12,  13-18;  13-24;  19-7-10 

AD526   j  13-24 

AD532    13-24 

AD533    13-24 

AD534   6-39;  23-25;  13-24 


AD535 


13-24 


AD536   6-22-23 

AD536A  13-24;  17-34 

AD537    8-71-73;  23-3,  13-32 

AD538   6-3-9;  13-24;  24-51-52 

AD539    6-29,  31-37,  39;  13-93-94 

AD542    13-24 

AD544    6-18;  8-5-6,  8-9,  118,  182;  13-24 

AD545A  13-24 

AD546    13-24 

AD547    8-166;  13-24 

AD548    13-24 

AD549    13-24;  24-57-58 

AD557    13-24;  14-4 

AD558    6-36;  13-24 

AD561    8-71,  73-74;  13-24 

AD562    23-26 

AD565A  13-24 

AD566A  13-24 

AD568    13-24 

AD572    8-20 

AD574A   18-8-9 

AD580    3-8;  8-209-210;  13-24;  19-7,  10 

AD581    6-27;  8-71;  13-24 

AD582      13-24 

AD584  .  6-13,  22-23,  26;  8-112,  117,  119-120,  182,  203;  13-24;  23-42 

AD585    3-29;  18-8-10 

AD586    3-65;  8-208;  13-24 

AD587    13-24 

AD588    3-30;  11-8;  13-24 

AD589    6-52-53;  23-43,  53,  56;  24-52 

AD590    19-3-10 

AD594    21-4-8;  23^*6 

AD595    21-4-8;  2346 

AD611    6-20,  23,  33,  36;  23-56 

AD624    10-12;  13-24 

AD625    13-24 

AD630    6-11,  13,  17-21,  27 

AD636    13-24;  17-34 

AD637    13-24;  17-3-5 

AD639    23-52 

AD644  '6^22-24;  S-U3,  il8,' 163;' UM8;  13-24 
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AD645    13-24 

AD647    8-166;  13-24 

AD648    13-24;  16-17 

AD650    13-24;  23-3,  11,  61-62,  65 

AD651    23-8 

AD652   13-24 

AD654    23^1,  5-8,  10,  33-60 

AD662   13-24 


AD664 


13-24 


AD667   13-24 

AD668    13-24 

AD670   3-3-9 

AD671    3-59-65;  18-13-14 

AD678    24-91-92,  95-96 

AD679   3-96,  100-101 

AD684    3-29 

AD688   13-24 


AD689 


13-24 


AD693    22-3-10 

AD704    13-24 

AD705    11-6;  13-24 

AD706   13-24 

AD707    6-27;  13-24;  14-4 

AD708   6-11,  27;  13-24 

AD711  3-76;  5-23-25;  641;  8-199,  208-209;  13-24;  23-52 

AD712    8-208,  210;  13-24;  16-17;  23-52 

AD713  13-24;  16-17 

AD734    6-39 

AD736    13-24;  17-3-9,  12,  15 

AD737    13-24;  17-3-11,  13-14 

AD741    8-71-74,  109;  10-10,  14;  13-24;  23-26,  52 

AD741L  10-10 

AD744   4-74;  17-13-14,  24 

AD746    13-24 

AD766    9-51;  13-24 

AD767  .  .  .   13-24 

AD779    3-96,  100-101,  105,  106 

AD781   3-30 

AD811  4-74;  6-49 

AD827    13-93 

AD829    8-199 

AD834    6-39,  49 

AD840   13-24 

AD841  18-11,  13-14,  24 

AD842    13-24 

AD843    3-62,  64;  13-24;  18-14-15 

AD844    13-24 

AD846    13-24 

AD845    3-29,  33;  13-24;  18-11,  13 

AD847    13-24 

AD848    13-24 

AD849    13-24 

AD1139  8-6-7,  9 

AD1334    3-35 

AD1408    8-71-73 

AD1851    8-197,  199 

AD1856    8-197-199;  13-24 

AD1860    8-189-190,  192;  13-24;  24-100-101 

AD1862J  8-192 

AD1864    13-24 

AD1879    20-3,  9-10,  16 

AD2700   13-24 

AD2701    13-24 

AD2702    13-24 

AD2710  13-24 

AD2712  13-24 

AD5245    10-13 

AD5539    6-43-45 

AD7111  8-80-81 

AD7115  8-80-81 

AD7118  8-80-81 

AD7224    8-103-105;  13-24 

AD7225    13-24 

AD7226    8-107-112,  149-151;  13-24 

AD7228    13-24 

AD7237   8-35-37;  13-24 

AD7240    23-50,  54 

AD7243   8-35-37 

AD7245    8-209,  211-212;  13-241 

AD7247    13-24  I 

AD7248    8-209,  211-212;  13-24  1 

AD7341    5-19-21,  23-25 
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AD7371    5-19-21,  24-25 

AD7507    23-29 

AD7510DI   12-3 

AD7512  6-18;  8-118 

AD7519  8-118 

AD7520    8-71-72,  101;  23-27 

AD7522    23-29 

AD7528    3-8;  8-113-120,  127,  131,  161-166,  171,  193 

AD7534    8-13-47,  127,  132-133,  135,  137,  139,  141,  144 

AD7535    8-43-47 

AD7537    8-127,  131,  153-158,  179,  193,  208-209,  211 

AD7538    8-127,  132,  139,177,  210-211 

AD7541A  24-44 

AD7542    8-121-123,  125,  201-204 

AD7545    8-127,  130,  131,  133,  134-135,  137,  139,  141,  144,  177 

AD7545A  8-35-37 

AD7547  .  .  .  8-36,  127,  131,  140,  143-144,  147,  153-154,  158,  178-179, 

193,  208-209,  211 

AD7548    8-36 

AD7549  .  .  .  8-36,  127,  131,  153-154,  158,  181-182,  184,  185-187,  193, 

AD7560    8-111 

AD7568    8-39-42 

AD7569    2-5-6,  11-14,  15-20;  13-24 

AD7569    13-24 

AD7572A  3-17-19 

AD7574    3-21-25 

AD7575    3-15 

AD7578    3-11-12 

AD7581    7-3-7 

AD7582    3-11-12 

AD7590DI  12-3 

AD7592    3-9;  8-116-117 

AD7628    8-171-172 

AD7669    2-5-6,  11-14;  8-171,  173;  13-24 

AD7672    3-27 

AD7701    3-121;  5-7-8;  20-11-12 

AD7703    3-121;  20-13 

AD7710    20-13 

AD7711    20-13 

AD7712    20-13 

AD7769    2-3-4,  6,  7-10,  11-14;  13-24 

AD7770    13-24 

AD7772    9-51 

AD7773    8-31-32 

AD7774    2-3-4 

AD7775   8-31-32 

AD7820    3-67;  8-171 

AD7821   3-37,  67 

AD7824    3-67,  69 

AD7828    3-67 

AD782X   3-67-69 

AD7837    13-24 

AD7840    13-24 

AD7845    13-24 

AD7846    13-24 

AD7847    13-24 

AD7848    13-24 

AD7868    9-51 

AD7870    24-97 

AD7878    3-13-14;  9-51 

AD7884    3-109 

AD7885    3-115 

AD9006    3-74;  24-95 

AD9016    24-95 

AD9020    24-95 

AD9028    3-74;  24-95 

AD9038    24-95 

AD9060    3-74;  24-95 

AD9101   8-292 

AD9300    3-62 

AD9500    14-3-8,  9-12,  14-15 

AD9501    14-3-8 

AD9617    3-74-75;  6-»6;  13-171-174;  24-95 

AD9618  13-171-174 

AD9713B   8-292 

AD9721  .   8-292-294 

AD9955    8-292 

AD22050    17-10-12 

ADC908    8-97 

ADC-910    8-249,  252 

ADC-912A   18-23 

AD  OP-07    8-130,  134,  144;  13-24 
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AD  OP-27    8-135,  144,  182,  184;  13-24 

AD  OP-37  13-24 

ADG201A  3-69;  8-208;  12-5 

ADG202A  12-5 

ADG221  12-5,  6 

ADG222    12-5,  6 

ADG506A  12-11-12,  21,  24-26 

ADG507A   12-11,  21,  22,  26 

ADG508A  12-11,  21,  22-26 

ADG509A   12-U,  21,  22 

ADG526A   12-11,  21  22,  24-26 

ADG527A   12-11,21,26 

ADG528A  12-11,  21,  22-26 

ADG529A  12-11,  21  22 

ADSP-28msp02    20-14-15 

ADSP-1010  9-24-25 

ADSP-2100  ....  3-17;  9-27-28,  32-34,  36,  38-39,  48,  49,  54,  58;24-79 

ADSP-2100A  3-14;  9-39,  54,  58 

ADSP-2101    3-106,  109;  9-8-10,  12,  14-16,  39,  54,  58,  59, 

61-64,  65-76,  77-83,  85-92;  20-15 

ADSP-2102    9-39,  50-51 

ADSP-2105    9-54,  58,  59;  20-15 

ADSP-2111   20-15 

ADSP-21010   9-93,  101 

ADSP-21020    9-93-101 

ADV453    8-269 

ADV471    8-254,  257,  259,  265,  269,  274,  276-278,  282 

ADV476    8-257,  269,  277 

ADV478    8-254,  257,  259,  269,  274,  276-279,  282 

BUF-03   13-«7-69 

CMP-01  5-15;  8-213,  216-217,  221-222,  239,  242,  246; 

18-18,  21;  24-36 

CMP-404    13-55 

COMDAC  86/89    8-213,  216,  221-222,  238,  246 

COMDAC  88/89    8-239,  242,  244 

DAC-08   8-8,  33,  49,  51-61,  63-70,  75-76,  78;  13-68 

DAC-20    8-33,  77-78 

DAC-86    8-213,  216-217,  221-223,  225,  238 

DAC-88    8-239,  241,  242-243,  247,  248 

DAC-89    8-213,  216-217,  221-222,  225,  238,  239,  241,  242,  248 

DAC-8221    8-83 

DAC-8228    18-20 

DAC-8408    13-55 

DAC-8426    18-22 

DAC-8800    8-85-97,  99,  101-102 

DAC-8821    13-91 

DAC-8840    8-100-101 

DAC-8841    8-100-101 

DMX-88    8-239-240,  242,  246 

DSP56000    3-14 

ICM7208    23-9 

IPA1764    16-14 

LM-10   8-104-105 

MAT-01    13-52,  53,  89;  15-t 

MAT-02  13-51 

MAT-04  13-61,  111 

MUX-08  12-9;  13-68,  107;  18-23 

MUX-16  12-9;  18-21 

MUX-24   12-9 

MUX-28   12-9 

MUX-88    8-213,  216-217,  221,  239,  242,  246;  12-9 

OP-01   8-251 

OP-02  8-49 

OP-06   13-71-74 

OP-07  8-19,  130,  131,  134;  24-37 

OP-10   13-56 

OP-10A   13-62 

OP-14  8-76 

OP-15  12-17;  24-36 

OP-16    8-213,  216-217,  221-222,  239,  242,  244,  246, 

247;  12-17;  13-52,  69 

OP-17G  8-77-78 

OP-20  15-4-5 

OP-22    13-51,  52,  58,  77,  81,  87,  89 

OP-27    4-55;  13-35-37,  57,  64;  8-143,  145 

OP-37    13-55,  58 

OP-41  4-3;  13-50,  53,  56,  107;  13-53 

OP-42    8-95;  13-107,  109-113,  131-135,  162-168;  18-21,  28 

OP-43   13-54 

OP-44    13-107,  113 

OP-50    13-50-51,  57,  63 
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OP-61   8-83;  13-91,  166-170 

OP-64    13-125-129 

OP-77    8-5,  49;  13-49-50,  53,  56,  59-65;  13-61 

OP-90  13-111;  15-3-4 

OP-177   8-97 

OP-215    4-13,  36,  39;  13-85 

OP-220    15-6 

OP-221    8-75-76;  13-83 

OP-227    13-64,  79 

OP-260    13-143-148 

OP-292    8-32 

OP-400    13-137-141 

OP-420    13-55,  59 

OP-421  13-65 

OP-470    13-43,  45,  149-154 

OSC1758    16-5-6,  14 

PM-139   18-23 

PM-311   13-52 

PM-7545    8-250-251 

REF-01    8-75-76,  239,  250-251;  13-62,  85,  111 

REF-02    8-213,  216-217,  221,  239,  242,  246;  18-20 

REF-02A  13-75,  87 

REF-43  15-4-6 

RPT-82   5-9,11-12,15 

RPT-83  5-9,  11-14,  15-16 

RPT-86  5-17 

RPT-87  5-17 

SMP-04    18-19,  22-26,  27-28 

SMP-08    18-19-21,  24-26,  27-28 

SMP-11FY  18-17-18 

SMP-18    18-19,  24,  27-28 

SMP-81    8-213,  216-217,  221-222,  239,  242,  246 

SSM-2013  4-13 

SSM-2014  4-^7,  52;  8-94 

SSM-2015    4-3,  5,  9,  11,  23,  35-36 

SSM-2016   4-9 

SSM-2110    4-13,47-48,50 

SSM-2120    4-29-30,  33,  37,  42,  44 

SSM-2122    4-39-40 

SSM-2131   4-52,  59 

SSM-2134    4-7,  13,  19,  21,  29,  32,  34,  37,  39,  52 

SSM-2210    4-50;  13-35-37 

SSM-2220    4-55-56 

SSM-2402    4-19,  31 

SW-01  18-18 

TSL1612  16-15 

4501    23-32 

451}   23-32 

452]   23-32 


458J   23-32 

460J   23-32 

5S70  16-11 

5S72  16-11 
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AC  induction  motor  16-34-35 

ADC  .  3-3-128 

AC  linearity  plots   24-96-97 

aliasing   24-86-87 

aperture  delay  time   24-97 

aperture  jitter   24-97-98 

asynchronous  clock  interfacing  3^13-14 

data  acquisition   3-30-31 

decimation   24-88-89 

digital  signal  processing  3-13,  17,  111;  9-3-18 

discrete  time  sampling   24-85-86 

dynamic  performance    24-94-98 

effective  bits    24-90-92,  95 

evaluation  8-249 

code  width  8-250 

cross-plot  generator    8-249-250 

dynamic  testing  8-250 

missing  codes   8-250 

system  noise   8-251-252 

fast  transient  capture  3-37 

fast  transient  detection  3-42 

finite  amplitude  resolution   24-85-86 

flash, 

aperture- jitter  3-90-92 

buffer   3-72 

characteristics  3-71-74 

composite  video,  DAC  3-93 

digital  signal  processing  testing  3-79-84 

errors   3-73-74,  92-93 

FFT  3-79-80 

two-tone  intermodulation  3-86 

verification  3-83 

histogram   3-86-87 

input  drive  amplifier  3-75 

noise-power  ratio, 

digital  signal  processing  3-88-89 

l^l     tt*  . '. \  .  .  .  . ;  .  \  *.  .  *.  .  \  ,  3-87-89 

output   3-71-72 

S/N  ratio   3-74,  79,  85 

sampling  3-80-81 

Blackman-Harris  window  3-82 

Hanning  window  3-81 

weighting  3-81 

signal  coupling   3-72 

sine-wave  curve  fitting  3-83-84 

sparkle  codes  3-72-74 

testing  3-71-93 

THD  3-85-86 

track-and-hold  amplifier  3-76-78 

transient-response  testing  3-89-93 

full-linear  bandwidth   24—96 

full-power  bandwidth   24-96 

high  resolution,  noise   3-18 

input  level  shifting  circuits  2-8 

input  multiplexing  3-24 

intermodulation  distortion   24-96 

memory  mapped  input  3-21 

microprocessor  interface  3-6,  21 

monitoring  voltages  3-68-69 

multiple  synchronous  sampling   3-35 

noise   3-27-28 

noise-power  ratio  testing   3-53-54 

Nyquist's  criteria    24-86 

oversampling  3-38;  24-88-89 

overvoltage  recovery  24-98 

power  strobing  V  24-51 

■   quantization   24-90-92 

finite  amplitude  resolution  24-90 

RAM  mode  3-22-23 

range  switching   3-23-24 

ROM  mode    3-21-22 

S/N  plus  D  3-109,  115 

sample-and-hold  amplifier  18-11 

harmonic  amplitudes  3-32 


sampling   3-105 

aliasing  :  3-104 

disk  drive  application   3-15 

IMD      3-98 

signal/noise   .  3-32 

THD  3-98 

settling  time   24-98 

sigma-delta  3-121 

signal  dynamic  range,  resolution    24-92-94 

signal/noise   24-90-92,  95 

analysis   3-53 

digital  measurement  3-51-52 

measurement  3-50-51 

slow  memory  mode   .  3-23 

spurious  free  dynamic  range   24-95 

static  transfer  24-93 

subranging  3-59-65 

super-Nyquist   24-89-90 

switching  gain-range  3-9 

total  harmonic  distortion   24-95 

transient  playback  3-44-48 

transient  recorder    3-38-42,  43-44 

transient  response  time  24-98 

undersampling    24-89-90 

automatic  gain  control  3-97 

calculated  noise  flux  3-101 

digital  radio   3-96,  103-107 

FFT   3-100 

full  power  bandwidth  3-100 

maximum  headroom   3-97,  105 

Nyquist  frequencies   3-96 

S/N  plus  D   3-98 

signal/noise  3-105 

aperture  jitter  3-98-99 

IMD  3-99 

internal  jitter  3-99 

THD   3-99 

theoretical  limits  3-99 

SSB  filter  3-106 

video, 

aperture  jitter  3-57-58 

aperture-time   3-54-56 

bandwidth  clipping  3-55-56 

burst  mode   3-55 

differential  nonlinearity   3-54 

voltage-to-frequency  convener  23-5-12 

Amplifier: 

audio   4-37 

performance  4-38 

automatic  gain  control   4-13 

performance  4-14 

balanced, 

-  audio  4-5-6 

performance   4-6 

true  differential  input  4-5-6 

commutating  6-27 

current  feedback,  frequency  response  4-70-71 

inverting  2-18 

low  noise   4-9,  1 1 

differential   4-9 

performance  4-10,  12 

power   4-62,  64-67 

characteristics  4-57-58 

circuit  design   4-59-61,  61-64 

feedback  4-58-59 

performance  4—67-69 

programmable  gain   8-118 

sign-bit  6-18 

single  channel,  components   4-72 

summing  4-3-4 

audio  ,  4-3-4 

unbalanced  virtual  ground   4-7 

unbalanced  virtual  ground, 

audio   4-7  I 

low  noise   4-7 

voltage-controlled   4-29-30  1 

dual  channel  4-39 
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performance  4-40 

voltage-controlled,  See  also  VCA 
Analog-to-digital  converter.  See:  ADC 

Analog  input/output  2-3-20;  8-181-183 

performance   8-184 

software  8-183-184 

Antialiasing  filter: 

design  3-33 

Nyquist  limit    .  .   3-32 

oversampling  3-38 

Applesoft  Basic  program  3-7-8 

Audio  compressor/Umiter: 

characteristics  4-47 

compressor  control  4-50-51 

performance  4-53 

response  4-47-48 

variable  time  integrator  4—48-50 

voltage  control  amplifier  4-52 

Audio  control: 

audio  mixing  4-21 

performance  4-22 

Audio  matrix: 

sum  and  difference   4-35 

performance  4-36 

Audio  switch: 

dual  4-15-16,  19 

high  performance  4—15 

mute  circuits   4-19 

performance  4-17,  20 

dual  channel  4-32 

control  interface  4—32 

output  summing  amplifier  4—32 

performance  4-34 

unbalanced   4-31 

Automatic  line  build-out.  See:  ALBO 

- 

Balun-coupled  output  6-48 

Blackman-Harris  window  3-82 

Bridge  transducer,  oscillators  6-23-24 

Buffer,  simple,  noninverting   2-18 

c 

Capacitance: 

noise  24-61-63 

PC  board  24-49 

stray  24-48,  60-62,  68 

Faraday  shield  24-61-63 

Capacitive  noise  24-12-13,  15-17,  61-63 

Capacitor: 

dielectric  absorption   24-64-65 

errors   24-21-23 

inductance   24-63-64 

leakage   24-63 

parasitic  effects  a   24-63-65 

series/loss  resistance  24-63 

CCD: 

linear  array, 

ADC  digitizer   3-59 

circuits  3-62 

digitized  signal  balance  3-64 

odd/even  pixel  multiplexing  3-64 

output   3-63 

output  saturation  voltage  3-64 

prescan,  digitizing   3-63 

overview   3-59-60 

Charge  coupled  device.  See:  CCD 

Circuit  resistance  24-49 

Clock-recovery  5-14-16 

CMOS  analog  switch   12-3-4 

Codec  8-219 

companding  DAC  8-227 

four-channel   8-221-226 

operation  and  design  8-214-217 


shared  8-213,  239 

system  tests   8-217-218 

COMDAC   8-213-219,  221-246 

Common-impedance  noise   24-12 

Companding   8-227-229 

Companding  DA  converter.  See:  COMDAC 
Compandor: 
high  performance, 

limiter  4-42 

performance  4-44 

receiver  expander  4-43 

transmitter  compressor  4—42 

wireless  audio  4-41 

Comparator,  high  speed    24-45-46 

Complementary-symmetry  metal-oxide  semiconductor.  See:  CMOS 
Conductor: 

Kelvin  feedback   24-56 

resistance  24-54 

skin  effect  24-55 

voltage  drop  in  signal  leads  24-56 

Constant  linear  velocity  8-175-178 

Converter: 

flash  3-71-93 

RMS-to-DC   6-42 

Cross-plot  generator,  ADC  testing   8-249-250 

Crosstalk  12-13-20 

D 

DAC   8-189-190 

A/X  function  8-77-78 

AC  multiplying  mode  8-87 

AC  time  domain  specifications   8-291-295 

AC-coupled  multiplication  8-66-67 

ADC, 

input  impedance  8-20-21 

buffer   8-21 

reducing  effects  3-5 1 

ADC  adjustable  reference   8-97 

ADC  log  function  8-82 

algebraic  digital  computation  8-69-70 

amplifier, 

programmable  8-127 

programmable  gain   8-118 

analog  input/output  8-181 

antilog  8-79,  81 

applications    8-51-61,  63-70,  71-74,  85-97,  94 

4-20mA  current  controller  8-73-74 

8-bit  programmable  square-wave  oscillator  8-72-73 

algebraic  manipulations   8-72 

digital  audio  8-197 

microcomputer  interfacing  8-185 

modems   8-207-212 

ohms-to-frequency  convener  8-71-72 

programmable  gain  trimming/calibration  8-73 

programmable  offset  8-73 

quotients  of  digital  inputs  8-72 

UART   8-201 

attenuation  control,  programmable   8-83 

BCD-coded  8-77 

bias  voltage,  programmable   8-41 

bipolar  references  8-64 

bridge  transducer  null   8-68 

bypassing  8-17-18 

coarse-fine  control  8-96-97 

Codec  system  8-213,  239 

common  ground  problems   8-19-20 

companding    8-227-238,  239 

accuracy    8-236,  238 

for  codec  8-227 

gain  tracking    8-236-237 

outputs    8-232-236 

power  levels   8-237 

signal-to-distortion    8-237-238 

cross-plot  generator  S^O^ofllO 
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decoupling  8-17-18,  20 

deglitcher   8-211-212 

using  sample-and-hold  amplifier  24-101 

differential  A/D  conversion  8-67-68 

differential  amplifier   8-19 

digital  audio  circuits  8-189 

digitally  controlled  VCA  8-94 

direct  digital  synthesis    8-285-286 

selection   8-289 

specifications    8-289-291 

dual,  potentiometers   8-161-162 

eight-channel  8-213,  240 

failure  analysis  8-46 

fast  pulsed  operation   8-64 

filter   8-153-154,  190-192 

control   8-153 

finite  impulse  response  8-191 

oversampling   8-191-192 

filtering   24-102-104 

four-quadrant  multiplication   8-65-66,  70 

four-quadrant  ratiometric  A/D  conversion   .  8-68 

full-scale  level,  programmable  8-41 

function  fitting  sine  wave  synthesizer  8-115-117 

gain  control,  programmable   8-83 

glitch  impulse  area   .   24-99-100 

grounding  8-18-19 

harmonic  distortion   24-100-101 

high  resolution, 

for  instrumentation  8-3-4,  6-7 

integral  nonlinearity  8—4-5 

measurement  programming  8-5-6 

summation  error,  suppression   8-6 

high  temperature  8-44-45 

highest  speed  four-quadrant  multiplying  8-66 

hyperbolic  function  generation  8-77 

instrumentation  amplifier  8-20 

interface    8-121-126,  197,  198 

Bessel  filter  8-198-199 

passband  attenuation  8-198-199 

software   8-203-205 

life  test   8^45-46 

linearity   8-37-38,  42 

logic  input,  adjustable  input  logic  threshold   8-54-56 

low  leakage  8-43 

microcomputer  interface  8-121-126 

microprocessor  8-6 1 

motor  speed  control   8-175,  177-178 

multiplication  and  function  fitting  8-162-163 

multiplying   8-63,  79 

noise  sources   8-270-271 

nulling  problems  8-16-17 

offset  adjust,  programmable  8-107-108 

offset  voltage  trimming  8-95-96 

output    8-202-203 

dual  complementary   8-52-53 

high  speed  8-54 

high  voltage  compliance  current  8-5 1-52 

output  level  shifting   2-9 

output  noise  8-88 

panning   8-193-194 

performance   24-99-104 

PGA, 

dual  DAC   8-139 

AC  coupling  output   8-143 

compensation  8-141-142 

dynamic  gain  error  8-142-143 

equations  8-139-140 

error  8-140-141 

fixed  gain   8-145 

gain  error  8-146-148 

noise  and  distortion  8-143 

small-signal  bandwidth  8-142 

stability  8-141-142 

test  results   8-143-145 

equations   8-127-128 

digital  input  code  8-138 

system  gain  error   8-136-137 


error, 

definition  8-128-130 

gain   .  ......  .   8-131 

offset  -.  .  .  8-132 

reduction  8-131-132 

sources,  DC  offset  8-130-131 

noise  gain  8-133-134 

single  DAC  8-132-133 

test  results  8-134-135 

power  monitor  8-68-69 

power  splitter  8-194-195 

applications   8-196 

power  supply,  requirements  8-60 

problems  8-15-16 

process  current  8-75-76 

calibration  ;  .  8-76 

output  voltage  8-76 

scale  modification  8-76 

quantization  8-189 

reconstruction  filter  '  8-190 

rectangular  waveforms   8-163-166 

reference  amplifier  compensation   8-64 

reference  input,  multiplying  capability  8-56-60 

sampling   8-189 

SCR  ;  .  .  .  .  8-23 

analog  ground  and  output   8-25-26 

digital  input/output  8-24-25 

latch-up,  causes  8-26-29 

prevention, 

Schottky  diode  8-28-29 

silicon  diode  8-28-29 

self-programmable  reference  8-109-110,  151 

set-point  controller  8-108-109 

settling  time  3-50;  24-41 ,  99 

signal-generation  8-161 

sine  wave  generation   8-149-151 

sine  wave  oscillator,  programmable  8-114-115 

single  supply  8-33 

operation  8-112,  119-120 

sin(x)/x  frequency  rolloff  effect  24-101 

stand-alone  operation  8-90-91 

state-variable  filter  8-113 

static  transfer   24-93-94 

switched  capacitor  filter   24-102-104 

test  fixture  8-93-94 

testing  ADC  3-50 

threshold  testing  8-110-111 

triangular  waveforms  8-163-166 

two-phase  permanent  magnet  stepper  motor   8-167 

two-quadrant  multiplication   8-64-65 

two-wire  interfaces  8-89-90 

and  variable  resistors   8-101 

VCA   8-101-102 

video  applications   8-253,  269-284 

voltage,  programmable  8-103-105 

voltage  doubling  8-36 

voltage  reference  trimming  8-96 

voltage-mode  8-172 

voltage-output   8-173 

voltage-switching    8-35-38,  40-41,  209-210 

voltage/current  source,  programmable   8-117-118 

Vss  generation  8-111-112 

waveform  generator  8-149-151 

programmable  8-118-119 

wire  bond  strength   8-47 

Data-acquisition  system.  See:  DAS 

Detector,  mean-squared  6-41-42 

Digital-to-analog  converters.  See:  DAC 

Digital-to-time  converter  14-12 

analog  signal  settling  time   14-15 

timing  characteristics  14-13 

Digital  filter   9-3-12 

circular  buffering  9-6-7 

decimation  20-7-8 

finite  impulse  response  94-5,  20-21 

audio  filter   9-8-10 

CAD  design   9-8 


INDEX  26-9 


design  9-7-10,  21-26 

hardware  9-23-25 

linear  phase  9-11 

Remez  Exchange   9-22-23 

software   9-25-26 

windowing  9—21-22 

infinite  impulse  response   9-11-13,  20-21,  37-39 

cascaded  biquad  9-38-39 

direct  form   9-37 

multirate   9-27-36 

applications  9-27 

decimation  9-27-32 

interpolation  9-32-36 

theory  9-19-20 

time  and  frequency  domain  9-6 

types   9-20-21 

Digital  regenerator  5-9-10 

bipolar  code  5-10 

integrated  circuit  5-9 

Digital  signal  processing   9-3-18 

arithmetic  ability    9-65-70,  77-82,  93,  94-96 

assembly  language  9-100-101 

benchmarks  9-101 

control  system  model   9-50-51 

controller  9-49,  51-58 

monitor   9-61,  61-64 

notch  filter  9-58-59 

Nth  order   9-54-58 

PID  9-51-54 

data  addressing   9-82-84,  96-98 

device  interfacing   9-74-76 

digital  filtering   9-19-26,  37-39 

digital  radio  receiver  3-107 

external  memory  9-100 

FFT   9-13-17 

block  floating  point  9-17 

data  scaling   9-17 

design   9-15-16 

hardware  9-15 

spectral  leakage  9-16-17 

windowing  9-16-17 

filtering  9-3-12 

image  data  compression   9-41-43,  45-48 

in/out  handling  9-89-90 

JPEG  compression  9-45-48 

multirate  filters  9-27-36 

performance   9-90-92 

processor  selection  9-65-76 

program  sequencing    9-70-74,  84-89,  98-100 

programmable   9-47-48 

sampled  data  system  24-85 

sampling  3-18 

system  design   9-49-59 

Direct  digital  synthesis  8-285 

performance   8-286-289 

Disk  drive   .  2-5-6 

motor  speed  control  8-175 

offset  signal  grounds  2-5-6 

DSP.  See:  Digital  signal  processing 
DTC.  See:  Digital-to-time  converter 

E 

Electromagnetic  interference   24-77-78 

causes   8-272-278 

filtering  components    8-280-283 

PCB  design  8-272 

photoelectric   24-78 

radio  frequency   24-77-78 

reduced   8-269-284 

regulations   8-270 

ENOB.  See  also  Effective  bits 

Evaluation  board  3-109-121 


Faraday  shield  24-61-63 

Fast  Fourier  transform.  See:  FFT 

Fast  linear  circuit,  errors   24-35 

Fast  memory  device  7-7 

FCC  certification  8-278 

FFT  ;  .  .  3-31 

digital  signal  processing  9-13-17 

Filter: 

analog  versus  digital  9-19 

antialiasing   3-32-33;  24-87-88 

Nyquist  limit  3-32 

oversampling   3-38 

receive  channel   5-19-20 

Bessel  8-156,  158 

Butterworth  8-154,  158 

amplitude  response  8-160 

digital  interface   8-155-156,  157 

gain  bandwidth  8—155 

performance   8-156-158 

phase  response   8-160 

Chebyshev  8-156-157 

nonsynchronous  sampling   5-23-24 

program   8-159 

low  pass, 

cutoff  frequency,  digital  control   8-153-155 

DAC   8-153 

programmable  cutoff  frequency  8-153 

noise  spectrum  8-160 

reconstruction,  transmit  channel  5-19-20 

Sallen-Key,  in  modem   6-22 

state-variable  8-113 

switched  capacitor, 

communications  applications   5-19 

cutoff  frequency  5-24 

nonsynchronous  sampling,  design  5-21-23 

output  spectrum  5-20-21 

sampling  theory  5-19-20 

synchronous  sampling  5-21 

two-channel, 

dynamic  4-29 

performance  4-30 

universal  active  8-153 

variable-Q  voltage-tunable   6-35-36 

FIR.  See:  Finite  impulse  response 

Flash  converter  3-71-93 

Frequency-to-voltage.  See:  Voltage-to-frequency 

Frequency  dependent  negative  resistor.  See:  FDNR 

Function  generator  2-15-20 

G 

Generator,  voltage-reference   3-76 

Gilbert  gain-cell   6-40 

Graphics  image  scanner  3-61 

output  digitizing  3-61-63 

Grounding   24-3-6,  7-9,  69-75 

analog   24-70-71 

digital    24-70-71 

ground  planes  24-72 

high-frequency  24-3-6 

high-speed  24-7-9 

Mecca  ground   .  24-70 

noise  24-69 

signal  routing   24-74-75 

star  ground  24-70 

system  grounds   24-73-74 

transmission  lines    24-72-73 

Ground  loops    24-69-70 

Ground  noise   24-69 

Ground  plane    24-49-50,  72-73 
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Hanning  window  3-81 

HDD  servo  applications,  power-down  circuits  2-3 

HF  ground  noise  24-50 

High-speed  comparator  24-45-46 

I 

IIR.  See:  Infinite  impulse  response 
Image  data  compression: 

applications  9-41-43 

flexible  bandwidth  coding   9-42 

JPEG  compression   9^2,  45-48 

applications   9—46-47 

entropy  coding   9-46 

lossless  coding  9-46 

programmable  digital  signal  processors  9-47-48 

progressive  coding   9-45-46 

sequential  coding  9-45 

spectral  selection  9-42 

successive  approximation   9-42 

types  9-45 

picture  transmission  :  9-42-43 

motion  compensation  9-43 

progressive  coding  9-42 

run-length  coding  9-41 

sub-band  coding  9-41-42 

techniques   9-41-42 

telephone  transmission  9-42 

enabling  factors  9-42 

transform  coding   9-41 

Inductance  24-50 

mutual   24-66-67 

ringing   24-67 

stray   24-48,  65 

Inductor,  parasitic  effects  24-68 

Input/output,  channels   2-12 

Input/output  level  shifting,  signal  swing  levels  2-7-9 

Input  signal,  demodulating  6-16 

Instrumentation  amplifier  10-3-10;  13-22-23 

applications  10-9-10 

analog  delay   10-14-15 

current  summer  10-13-14 

distortion  measurement  10-15-16 

microphone  preamp  10-11-13 

output  buffer  10-17-19 

phono  preamp  10-16-19 

components   10-4-6 

description  10-3-4 

as  op  amp  10-17 

specifications  10-6-9 

Insulator: 

guard  rings   24-56-57 

leakage  24-56 

Interference  noise  24-11-14 

driven  guard   24-19-20 

guarding  24-19-20 

miscellaneous  24-14 

principles  24-11-12 

shielded  guard   24-19-20 

shielding  24-15-19 

types  24-12-14 

Intermodular  distortion.  See:  IMD 

Isolation  amplifiers: 

applications   11-3-9 

current-loop  11-8-9 

transducers  11-3 

y 


Joint  Photographic  Experts  Group.  See:  JPEG 

L 

Latch-up: 


causes  8-26-29 

in  CMOS  devices   8-23 

and  SCR   8-23-24 

Law  of  Intermediate  Metals,  temperature  measurement  21-4 

Linearization  circuit  2-15-20 

principles  2-19 

Linear  variable  differential  transformer.  See:  LVDT 

Linear  voltage  regulator: 

battery  15-5 

current  limiting  15-5-6 

power  transistor  15-3-4 

reference  voltage  15-4 

op  amp   15-4-5 

Logarithmic  function   .  6-4-5 

LOGDAC   8-79,  81 

resolution  8-79-81 

transfer  function  8-80-81 

Logic   24-78-81 

fan-out   24-79 

noise  24-81 

sampling  clock  noise   24-80-81 

timing  variations   24-79-80 

LVDT  6-20-22 

M 

Magnetically  coupled  noise  24-13-14,  17-19 

MASH.  See:  Multi-stage  noise  shaping 

Mecca  ground  24—70 

Microcomputer: 

analog  input/output   8-181 

DAC  interfacing  8-185-187 

interface  8-121-126 

Microphone: 

amplifier,  low  noise  4-9 

mixer,  audio-activated   4-45 

Microstepping: 

circuits   8-171 

control  8-170 

DAC  errors   8-169-170 

fixed-frequency  PWM  drive  8-171-172 

load  torque  effects  8-170 

phase  gain  errors  8-168 

rate  8-173 

static  position  errors  8-168 

Mixed  signal  system    24-53-84 

design   24-53-54 

logic   24-78-81 

prototyping   24-83-84 

socket  limits   24-82-83 

SPICE  modeling  limits   24-82 

Modem: 

commutating  6-15-17,  17 

dual-channel  gain  block   6-25-26 

precision  timing  6-26 

synchronous  detection  6-13 

DACs   8-207-212 

deglitcher  8-208 

loads  6-9 

performance   8-207-212 

signal  processing,  oscillator  6-22 

Morgan  compressor/limiter   4-47-54 

Motor  speed  control: 

constant  linear  velocity   8-175 

feedback/DAC  resistance  ratio  8-178-179 

Multiplexer: 

adjacent  channel  crosstalk  12-15-16 

measurement  12-17-19 

prediction  12-19-20 

bandwidth   12-21,  21-22 

circuit  protection  12-11-12 

CMOS  12-10 

distortion  12-28 

RoN  modulation  12-27-28 

crosstalk  12-25-26 

distortion  nomograph  12-28 
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dynamic  crosstalk  12-14-15 

measurement  12-16-17 

equivalent  circuit  12-21 

external  protection  12-12 

grounding  24-51 

JFET  12-9 

OFF  isolation  12-22-25 

overvoltage  protection  12-11 

single-supply  operation  12-9-10 

static  crosstalk  12-13-14,  16 

uses  12-21 

Multiplier: 

AG-output  coupling  6-47 

analog  6-29 

balun-coupled  output  6-48 

commutating  amplifier  6-27 

controlled-cascode  6-32 

DC-coupled  VCA  applications  6-4-3-46 

development  history  6-30 

4-quadrant  6-39 

Gilbert  gain-cell  6-40 

mean-squared  detector   6-41-42 

RMS-to-DC  converter   6-42 

transformer-coupled  output   6-47 

translinear  circuit  6-40 

2-quadrant   6-29-33 

VCA  ,  .  6-49-52 

circuit  analysis   6-51 

feedback  keyer   6-53-55 

video  keyer  6—52 

video  switch  6-47 

for  voltage-tunable  filter   6-34-37 

Multiplier-divider  6-5-6 

Multirate  filter: 

decimation  9-27-32 

structure  9-27-32 

interpolation  9-32-36 

algorithm   9-33-34 

structure  9-32-36 

N 

Noise,  crystal  oscillators    8-270-271 

Noise-power  ratio,  testing  3-53-54 

Nyquist  limit   3-32;  24-86,  89 

o 

Offset  adjust,  programmable  8-107-108 

Operational  integrator: 

AC  13-15-16 

equivalent  circuit  13-11 

errors   13-11-14 

feedback  capacitor  13-14-15 

leakage  resistance   13-15 

Op  amp: 

36  V  low  noise  13-55 

200  mA  servo  motor  amplifier   13-49 

200  V  low  offset  13-63 

absolute  value  amplifier  13-61 

active  feedback  I  13-41-48 

additional  input   13-23 

amplifier  with  active  output  clipping   13-65 

analog  multiplier/divider   13-61 

applications  13^19-65,  67-69,  75,  77,  79, 

81,  83,  85,  87,  89,  91,  93-94 

bandgap  reference  13-89 

bilateral  current  source   13-50 

Boyle  model   13-155-158 

buffer  amplifier  13-67-69 

common-mode  rejection  13-9-10 

comparator   13-71-74 

noise  13-73-74 

performance  13-71 

response  time  13-71-72 

 13-17-21,  41-48 


current  feedback  macro-model  13-171-174 

current  monitor   13-60 

current  pump  13-50 

current  regulator  13-87 

current  sink  13-64 

current  transmitter  13-75 

differential  to  single-ended  conversion  13-18-19 

drift  vs.  time  13-8 

dual, 

current  feedback   13-143-148 

Spice  macro-model   13-143-148 

dual  programmable  window  comparator,  13-55 

dual  tracking  voltage  reference  13-56 

equivalent  circuit   13-3 

feed-forward  13-20 

filter  13-177-184 

active  13-177-178 

allpass  13-177 

antialiasing  13-180-182 

bandpass   13-177 

bandstop   13-177 

Butterworth  13-178 

Chebyshev  13-178 

designs  13-178-184 

elliptical  13-178 

FDNR  13-179-180 

high  Q  notch  13-56 

highpass  13-177 

lowpass  13-177 

multiple  feedback   13-179 

passive  13-177 

programmable  state  variable   13-182 

Sallen-Key   13-179 

seven-pole  FDNR  antialiasing   13-183 

specifications  13-178 

state  variable  13-179 

wideband  Sallen-Key   13-184 

free-running  square-wave  generator   13-60 

frequency  stability  13-19 

full  power  response  13-5-6 

grounding  errors  13-21-22 

headphone  amplifier  13-57 

high  speed   13-115-123,  125-129,  131-135 

bandwidth  13-121-122 

capacitance  13-116-120 

fast-settling   13-131-135 

noise  gain   13-122-123 

settling  time  13-121-122 

Spice  macro-model   13-125-129,  131-135 

unity-gain  stability   13-120-121 

high  stability  voltage  reference  13-56 

high-sensitivity  voltage  comparator  13-51 

impedance  transforming  amplifier  13-63 

initial  bias  current  13-7 

initial  difference  current   13-7 

initial  offset  voltage  13-7 

input  design   13-175-176 

input  impedance  13-8-9 

input  noise  13-10 

input  offset  voltage  nulling  8-49 

instrumentation  amplifier  13-22-23 

instrumentation  amplifier  (2-op  amp)   13-62 

interconnections  24-3-5 

isolation  amplifier   13-54 

JFET  4-73;  13-107-114 

applications  13-107 

design  precautions   13-112-113 

errors  13-113-114 

logarithmic  13-110-111 

varying  compensation  13-112-113 

latchup  13-176 

low  noise  AGC  amplifier   13-64 

low  power  amplifier  with  squelch   13-65 

maximum  common  mode  voltage  13-9 

maximum  voltage  between  inputs  13-9 

microphone  pre-amplifier  13-58 

micropower  1-23  V  bandgap  reference   13-52 
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micropower  5  V  regulator  13-51 

micropower  instrumentation  amplifier  13-59 

micropower  Wien-bridge  oscillator  13-58 

NAB  tape  head  pre-amplifier  13-58 

negative  supply  decoupling   13-18-19 

noise  13-25-34 

calculation   13-39-40 

characteristics   13-27-28 

density  spectrum  13-30-31 

inherent  13-28-29 

interference  13-28-29 

random  13-29-30 

sources  13-33 

voltage/current  13-26 

noise  figure  13-34 

noise  gain   13-27,  32-33 

nonlinear  input  capacitance  4-73-74 

open  loop  gain  13-3-4 

operational  integrator   13-11-16 

overload  recovery  13-6 

phase  accuracy,  active  feedback  13-41-48 

phase  inversion  13-176 

piecewise-linear  amplifier   13-59-60 

piezoelectric  transducer  amplifier  13-56 

pink  noise  tangent  13-32 

positive  supply  decoupling  13-19-20 

programmable  attenuation   13-91 

programmable  gain   13-91 

programmable  gain  amplifier  13-50 

quad, 

low  offset/low  power   13-137-141 

Spice  macro-model   13-137-141,  149-154 

very  low  noise  13-149-154 

ramp  generator  13-85 

rated  output  voltage  and  current  13—4 

rectifier  13-77,  79 

RIAA  phone  pre  amplifier   13-57 

settling  time    13-95-103,  105-106;  24-40 

signal  gain   13-27 

slewing  rate   13-6 

specifications  13-3-10 

Spice-compatible  macro-model  13-155-170 

Boyle  13-155-158 

design   13-155-159 

standard  process  junction  isolated  FET   4-73,  74 

design   4-75 

performance  4-75 

unbuffered  bootstrap  4-75-76 

subtracter  13-22 

supply  voltage  sensitivity  13-8 

temperature  drift   13-7 

terminals   13-17 

thermocouple  amplifier  with  cold-junction 

compensation   13-62 

threshold  detector/analyzer  13-53 

triangular  wave  generator  13-52 

types  13-175 

unity  gain  small  signal  response  13--5 

very  low  noise  13-35-37 

applications  13-35 

performance  13-37 

voltage-controlled  13-93-94 

wide  range  low  current  ammeter  13-53 

wide-dynamic-range  light  detector  13-53 

Wien  bridge  oscillator  13-81,  83 

Oscillator: 

in  modem  6-22 

Wien  bridge   6-22-23 

Oscilloscope   24-33,  36-37 

Oversampling   20-3-4 

antialiasing   .  3-38 

p 

Parasitic  transistor  action   24-28 

Passive  circuit  components  24-21-26 


PCB: 

design    8-272-278 

electromagnetic  interference   8-272 

PCM  repeater  5-9,  13,  17-18 

ALBO  diodes   5-17 

Photoelectric  interference   24-78 

Pixel  processing  unit: 

components    8-258-260 

video  animation   8-261 

C  computer  program   8-262-264 

Pixel  read  mask  register  8-258 

Polarity  programmable  peak  detector  18-17-18 

Portable  instruments,  battery  15-5 

Potentiometer,  errors  24-25 

Power-down  circuit  2-3-4 

MOSFET  performance  2-4 

Power-line  transient  noise  24-14 

Power  supply: 

grounding   24-8-9 

noise  24-76 

spikes    24-29-30 

switching-mode   24-76-77 

Preamplifier: 

low  noise  4-11,  55 

performance  4-55-56 

microphone   4-46 

performance  4-45 

phono  4-23-25 

moving  coil   4-23 

moving  magnet  4-23 

passive  4-25 

passive  multifilter  4-24 

design  4-26-27 

performance   4-27 

performance  4-26 

playback  characteristics   4-26 

uncomplicated  passive,  performance  4-27 

Precision  ramp,  op  amp  13-85 

Printed-circuit  board,  errors   24-25-26 

Programmable  delay  generator: 
digital, 

description   14-3-8 

enable   14-6 

full-scale  range  setting  14-4-5 

laser  applications  14-7 

layout   14-9 

multichannel  deskewing  14-7 

pulse  delay   14-7 

pulse  width  modulation   14-7-8 

timing  14-5-6 

TTL  signals  14-6 

digital-to-time  converter  14-9-16 

oscillator  14-11-16 

pulse  generator  14-10 

system  timing   14-9-16 

Programmable  gain  amplifier.  See:  PGA 

Protection  for  ICs   24-27-28,  29-31 

Prototyping   24-83-84 

Pulse  attenuation,  ALBO  5-12 

PWM  drive,  frequency  modulation   8-172-173 

PWM  motor  driver  8-174 

R 

Radio: 
digital, 

with  ADCs  3-95-101 

receiver  design   3-%,  103 

SSB  filter  3-106 

SSB  receiver  3-103 

undersampling   3-98 

Radio  frequency  interference    24-77-78 

RAM-DAC   8-278 

load  terminations   8-254-256  I 

PCB  layout   8-267-268 

video  applications   8-254-256,  257-264,  267-268,  269-284 
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Reference,  self-programmable   8-109-110 

Resistance   24-54-60 

electrostatic  damage    24-57-58 

parasitic  effects   24-58-60 

voltage  variation   24-59-60 

Resistor: 

circuit  wiring  24-49 

errors    24-23-25 

inductive   24-58 

Johnson  noise  24-60 

log  compensation  24-51-52 

non-ideality  24-47 

resistance  24-48 

stability  and  matching  24-59 

temperature  varying  24—48 

thermo-electric  effects   24-58-59 

Resolver-to-digital  converter   16-3-6,  11-16,  45-47,  51 

absolute  position  data, 

RS-485  communication  16-46 

serial-to- parallel   16-45-46 

acceleration  constant   16-8 

angle  measurement  16-3 

applications   16-5,  11-16 

bandwidth  16-7-8 

as  control  transformer  16-13 

dynamic  modeling   16-21-32 

external  counters  16-13-14 

with  15-volt  supply  16-12-13 

4096  line  incremental  encoder  emulation   16-47 

with  geared  system  16-15-16 

high  voltage  interfacing   16-11-12 

high  voltage  synchros   16-19-20 

incremental  encoder  16-14 

with  inductosyn  16-14,  16 

integration  16—49-51 

linear  measurement  16-3 

passive  component  selection  16-23-24 

reference  frequency  i  16-8-9 

resolution  16-9 

resolvers  and  synchros  16-18 

Scott-T  circuit   16-17-20 

settling  time  16-9 

silicon  tachogenerator   16-53-55 

software  16-21-23 

step  response   16-26-29,  31-32 

tracking  16-5,  9 

transfer  function  16-24-26 

vector  control  16-33-43 

velocity  scaling  16-9 

RMS-to-DC  converter: 

applications   17-3,  13-14 

function   17-3-4 

selection   17-5 

theory  17-6-13 

voltage  comparator,  hysteresis   17-15-16 

RS-232  interface  device: 

applications   5-3,  6-8 

charge  pump  5-3-6 

latch-up  immunity  5-4 

noise  immunity  5-5 

overvoltage  protection  5^ 

voltage  doubler  5-3-6 

voltage  inverter  5-3-6 

RTD.  See:  Resistance  temperature  detector 


Sample-and-hold  amplifier: 

ADC   3-29-30;  18-11 

applications  18-8-10,  17-28 

capacitors  18-15 

CMOS  switches  18-12-14 

deglitching  DAC  24-101 

design  18-8,  11-15 

dielectric  absorption  18-7 

drift  and  noise  18-7 


errors  18-4-7 

feedthrough  18-12-13,  14-15 

FFT  .-i  3-31 

operation   18-3-4 

peak  detector  18-17-18 

Sample-and-hold  circuit: 

infinite   2-11-14 

dual  channel  2-13-14 

single  channel  2-12-13 

Sampled  data  system    24-85-105 

Schottky  diode  3-89 

Scott-T  circuit   ,  16-17 

operation  16-19 

SCR: 

in  CMOS  devices  8-23 

latch   24-27-28 

latch-up,  causes   8-26-29 

principles  8-23-24 

Sensor: 

accuracy  19-3-6 

application  19-7 

noise  ,  ,  19-7-10 

radio-frequency  19-9 

reduction  19-8-10 

shielding  19-8-9 

temperature  errors   19-3-6 

thermometer  circuit  19—7 

worst-case  nonlinearities  19-3-6 

Set-point  controller   9-108-109 

Settling  time: 

definition  13-95 

fast  circuits   24-33-42 

measurement  13-100-101 

op  amp    13-95-103,  105-106 

pole-zero  mismatch   13-102-103 

testing  13-105-106 

Sigma-delta  ADC: 
audio, 

description  20-9-10 

digital  filter   20-10 

specifications  20-10 

higher  order  modulator  loops   20-9 

idling  pattern   20-8-9 

low  frequency  20-11-13 

digital  filter  20-12-13 

specifications  20-12 

multi-stage  noise  shaping  20-16 

tonal  considerations  20-8-9 

Sigma-delta  codec  20-14-15 

Sigma-delta  converter: 

architecture   20-3 

digital  filtering  and  decimation   20-7-8 

multi-bit  20-16-17 

oversampling  20-3-4 

Sigma-delta  DAC  20-13-14 

Sigma-delta  modulator,  quantization  noise  shaping  20-4-7 

Signal,  input,  demodulating   6-16 

Signal-noise  ratio  video  A/D  3-51 

Signal  return  current  24-69 

Signal  routing   24-69-75 

Signal  sampling,  theory  5-19-20 

Silicon  controlled  rectifier.  See:  SCR 

Silicon  tachogenerator   16-53-54 

performance  comparison  16-54-55 

Sine-wave  generator   8-122-123,  247-248 

function  fitting   8-115-117 

Sine-wave  oscillator,  programmable  8-114-115 

Single-sideband.  See:  SSB 

Spice: 

macro-model  for  op  amp    13-125-129,  131-135, 

137-141,  143-148,  149-154 

modeling,  mixed  signal  systems   24-82 

op  amp,  performance   13-128-129,  131-135,  137-141, 

143-148,  149-154 
Spice-compatible  macro-model: 

Rain  stage  13-159-165 

i  accuracy  13-165-170 
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Spreadsheet,  op  amp  noise  calculation   13-39-40 

Square  roots  6-8-9 

Star  ground  24-70 

Static  electricity  24-27 

Step-function  generator   24-33-34,  38-39 

Stepper  motor: 

microstepping   8-168 

permanent  magnet   8—167-168 

Stray  capacitance  24—48 

Stray  inductance   24-48 

Summing  amplifier  4—3 

performance  4-4 

unbalanced  virtual  ground  4-7 

Supply  decoupling  24-47 

Switch  12-3-4 

charge  injection  12-7 

CMOS,  RoN  modulation   12-27-28 

digital  input  trigger  levels   12-6 

latch  timing  12-6-7 

leakage  currents  12-6 

on- resistance  12-5-6 

power  supply  current  12-7-8 

Switched  capacitor,  errors   24-103-104 

Switching-mode  power  supply   24-31,  76-77 

Synchronous  detection,  resistance  measurement  6-11 

T 

Temperature: 

integrated  circuit  temperature  transducer  21-3 

Law  of  Intermediate  Metals  21-4 

measurement  21-3,  8 

resistance  temperature  detector   21-3 

thermistor   21-3 

thermocouple   21-3 

Temperature  transducer,  remote  sensing   19-7 

Thermocouple: 

characteristics   21-3 

circuit  trimming  21-6 

cold  junction  errors  21-5 

direct  mean  temperature  21-7 

error  calculations   21-5-6 

Fahrenheit  output  21-6 

gain  offsetting  21-8 

ice  point  referencing   21-3-4 

loop  21-3 

measurement  21-4 

noise  minimizing   21-5 

optimizing  21-5 

Seebeck  coefficient   21-4 

temperature  multiplexing  21-7 

types   21-4 

Threshold  testing   8-110-111 

Total  harmonic  distortion.  See:  THD 

Transducer: 

pressure   11-7-8 

resistance  temperature  detector   1 1-6-7 

strain  gage  1 1-7-8 

thermocouple   11-3-6 

Transformer-coupled  output   6-47 

Transient  recorder,  ADC   3-38-42 

Transient  voltage   24-30-31 

Transmission  line   24-72-73 

Transmitter  chip  22-3-10 

RTDs  22-9 

strain  gages  22-9-10 

TrimDAC: 

multichannel  DAC  8-85,  99 

applications  8-101-102 

gain  addition   8-100-101 

and  variable  resistors  8-101 

voltage  adjustment  8-99-100 

Trimming    24-43-44 


u 


UART: 

DAC  driver  8-201 

serial  data  format   8-201-202 

serial  out  generator   8-205-206 

V 

VCA: 

DC-coupled,  in  AD834    6-43 

DC-to-60  MHz,  passive  level  shifting  6-43-45 

DC-to-480  MHz,  active  level  shifting  6-45-46 

design    6-33-37 

dual-channel  6-31 

feedback  keyer  6-53-55 

ultralow-distortion  6-33 

video  applications  6-49-52 

Vector  rotation: 

device  description   16-41-43 

induction  motors   16-33,  35-37 

mathematics  16-38-40 

synchronous  motors  16-33 

VGA,  design   C  8-265 

Video  graphics  system,  RAM-DACs   8-269-284 

Video  standards  8-253 

Video  switch  6-47 

Voltage,  programmable  8-103-105 

Voltage-controlled  amplifier.  See:  VCA 

Voltage-to-current  convener  22-3-10 

Voltage-to-frequency  converter   23-3-4,  33-60 

16-bit  analog-to-digital  23-8-9 

ADC   23-5-12 

applications   23-3-4 

device  description    23-33-34 

frequency-to- voltage  23-61,  65 

application  23-63 

design  23-62-63 

operation  23-61-62 

ripple   23-64,  66 

gating  23-9-10 

instrumentation  applications  23-19-24 

4-20mA  loop  operation   23-23-24 

analog-to-digital  conversion   23-19 

bipolar  inputs    23-20-21 

signal  isolation  23-19-20 

transducer  interface  23-21-23 

microprocessor  interfacing   23—28-30 

microprocessor-based  ADC  23-10-12 

operation  23-13-14,  34 

calibration  23-15 

modes   23-14-19,  35-40 

negative  input  current   23-16 

negative  input  voltage  23-15-16 

output  interfacing  23-16-18 

positive  input  voltage  23-14-15 

precautions  23-18 

temperature  stability   23-18 

period  timing   23-7-8 

pulse  counting  23-5-6 

special  applications   23-26-28 

analog  division  23-27 

long-term  analog  integration   23-26-27 

temperature-to-frequency  conversion    23-27-28 

specifications  23-31-32 

telemetry  and  communications   23-24-26 

frequency-shift  modulators  23-24 

phase-locked  loops   23-24-25 

waveform  generation    23-25-26 

timing  component    23-40-59 

capacitor    23-40-41 

clock    23-53-54 

coupling   23-43-45  . 

4-20  mA  current  loop   23-48-50 

frequency  doubling    23-56-58  I 

  23-52-53 
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high-input  impedance  bipolar  23-56 

logic  23-41 

oscillator  23-56 

output  interfacing  23-41 

phantom  power   23-41-42 

phase-locked  loop   23-50-52 

photodiode  23^7-48 

photosensitive  transducer  23-47 

power  supply   23-45-46 

references   23-43 

resistive  transducer  interface   23-46-47 

signal  multiplexing   23-43 

switched  capacitor  filter   23-50 

temperature  stability   23-40 

temperature-to-frequency  23-48 

thermocouple  23-46 

12-bit  converter  23-54 

voltage/current  monitor   23-54-55 

Voltage/current  source,  programmable   8-117-118 

Vss  generation   -  8—111 

w 

Waveform  generator,  programmable  8-118-119 

Wien  bridge  oscillator  6-2-23;  13-81,  83 
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Application  Note  (AN)  Number  Index 


Page 

AB-3        Digital  Nulling  of  Precision  Op  Amps  8-49 

AB-6        Single  Supply  Operation  of  DAC-08  and  DAC-20    .  .  .  8-33 

AB-107     Two-Wire,  4-20  mA  Current  Transmitter  13-75 

AB-108      A  Micropower  Single-Supply  Precision  Rectifier  ....  13-77 

AB-109      High  Speed  Precision  Rectifier  13-79 

AB-111  Single-Supply  Operation  Wien  Bridge  Oscillator  ....  13-81 
AB-112     Single  Resistor  Controls  Wien  Bridge  Oscillator 

Frequency   13-83 

AB-113     Precision  Ramp  Generator   13-85 

AB-114     Precision  Current  Regulator   13-87 

AB-115     Micropower  1.23  V  Bandgap  Reference  13-89 

AN- 17      DAC-08  Applications  Collection   8-51 

AN- 19      Differential  and  Multiplying  D/A  Converter 

Applications  8-63 

AN -21      4-20  mA  Digital  to  Process  Current  Transmitter  ....  8-75 

AN-23      D/A  Convener  Generates  Hyperbolic  Functions  8-77 

AN-25      Applying  the  OP-06  Op  Amp  As  a  High  Precision 

Comparator  13-71 

AN-27      Polarity  Programmable  Peak  Detector  18-17 

AN-32       Single  Supply  Operation  of  JFET  Multiplexers  12-9 

AN-35      Understanding  Crosstalk  in  Analog  Multiplexers  ....  12-13 

AN-37      Eight-Channel  Codec  Applications  8-213 

AN-38       Four-Channel  Shared  Codec  8-221 

AN-39       Companding  D/A  Converter  8-227 

AN-40       A  Buffer  Amplifier  Applications  Collection  13-67 

AN-41       Improved  Shared-Channel  Codec  Design  with  Analog 

Devices'  Companding  DACs  8-239 

AN-42      A  1  kHz,  0  dBmO  Standard  Signal  Generator   8-247 

AN-48       Designing  Digital  Repeaters  with  ICs   5-9 

AN-50      A  Variable-Frequency,  Clock-Recovery  Circuit  Using 

the  RPT-82  or  RPT-83  5-15 

AN-101     Cross-Plot  Generator  Allows  Quick  A/D  Converter 

Evaluation   8-249 

AN- 102     Very  Low  Noise  Operational  Amplifier  13-35 

AN- 106     A  Collection  of  Amp  Applications  13-49 

AN-107  Active  Feedback  Improves  Amplifier  Phase  Accuracy  .  13-41 
AN- 108     JFET-Input  Amps  Are  Unrivaled  for  Speed  and 

Accuracy   13-107 

AN- 109     Understanding  and  Preventing  Latch-Up  in  CMOS 

DACs  8-23 

AN-110     OP-64  Advanced  SPICE  Macro-Model  13-125 

AN-111     A  Balanced  Summing  Amplifier   4-3 

AN-112     A  Balanced  Input  High  Level  Amplifier  4-5 

AN-113  An  Unbalanced,  Virtual  Ground  Summing  Amplifier  ..4-7 
AN-1 14     A  High  Performance  Transformer-Coupled  Microphone 

AN- 115  Balanced  Low  Noise  Microphone  Preamplifier  Design  .4-11 
AN-116     AGC  Amplifier  Design  with  Adjustable  Attack  and 

Release  Control  4-13 

AN-117     OP-42  Advanced  SPICE  Macro-Model  13-131 

AN-1 19     Improved  T148  (CEPT)  PCM  Repeater  for  #22AWG 

(0.7  mm)  Unshielded  Twisted-Pair  Wire  5-17 

AN-120     OP-400  SPICE  Macro-Model  13-137 

AN-121     High  Performance  Stereo  Routing  Switcher  4-15 

AN-122  A  Balanced  Mute  Circuit  for  Audio  Mixing  Consoles  .  .  4-19 
AN- 123     A  Constant  Power  "Pan"  Control  Circuit  for  Microphone 

Audio  Mixing  4-21 

AN- 124     Three  High  Accuracy  RIAA/IEC  MC  and  MM  Phono 

Preamplifiers  4-23 

AN-125     A  Two-Channel  Dynamic  Filter  Noise  Reduction 

System  4-29 

AN-126     OP-260  Advanced  SPICE  Macro-Model  13-143 

AN-127     An  Unbalanced  Mute  Circuit  for  Audio  Mixing 

Channels  4-31 

AN-128     A  Two-Channel  Noise  Gate  4-33 

AN- 129     A  Precision  Sum  and  Difference  (Audio  Matrix) 

Circuit  4-35 

AN- 130     A  Two-Band  Audio  Compressor/Limiter  4-37 
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AN-131     A  Two-Channel  VCA  Level  (Volume)  Control  Circuit  .  4-39 

AN-132     OP-470  SPICE  Macro-Model  13-149 

AN-133     A  High  Performance  Compandor  for  Wireless  Audio 

Systems   4—41 

AN- 134     An  Automatic  Microphone  Mixer  4-45 

AN-135     The  Morgan  Compressor/Limiter  4-47 

AN-136     An  Ultralow  Noise  Preamplifier  4-55 

AN-137     A  Digitally  Programmable  Gain  and  Attenuation 

Amplifier  Design  8-83 

AN-138     SPICE-Compatible  Op  Amp  Macro-Models  13-155 

AN- 142     Voltage  Adjustment  Applications  of  the  DAC-8800 

TrimDAC,  an  Octal,  8-Bit  D/A  Converter  8-85 

AN-202     An  I.C.  Amplifier  User's  Guide  to  Decoupling, 

Grounding,  and  Making  Things  Go  Right  for  a 

Change  13-17 

AN-204     Applications  of  the  SMP-04  and  the  SMP-08/SMP-18, 

Quad  and  Octal  Sample-and-Hold  Amplifiers   18-19 

AN-205  Video  Formats  and  Required  Load  Terminations  .  .  .  8-253 
AN-206     Analog  Panning  Circuit  Provides  Almost  Constant 

Output  Power   8-193 

AN-207     Interfacing  Two  16-Bit  AD1856  (AD1851)  Audio  DACs 

with  the  Philips  SAA7220  Digital  Filter   8-197 

AN-208     Understanding  LOGDACs  8-79 

AN-209     8th  Order  Programmable  Low-Pass  Analog  Filter  Using 

Dual  12-Bit  DACs  8-153 

AN-210     Adding  Additional  Input  Channels  to  the  AD7773/ 

AD7775    8-31 

AN-211     The  Alexander  Current-Feedback  Audio  Power 

Amplifier  4-57 

AN-212     Using  the  AD834  in  DC  to  500  MHz  Applications: 

RMS-to-DC  Conversion,  Voltage-Controlled  Amplifiers, 

and  Video  Switches,   6-39 

AN-214     Ground  Rules  for  High  Speed  Circuits  24-7 

AN-215A  Designer's  Guide  to  Flash-ADC  Testing-Part  1:  Flash 

ADCs  Provide  the  Basis  for  High  Speed  Conversion  .  .  3-71 
AN-215B  Designer's  Guide  to  Flash-ADC  Testing-Part  2:  DSP 

Test  Techniques  Keep  Flash-ADCs  in  Check  3-79 

AN-215C  Designer's  Guide  to  Flash-ADC  Testing -Part  3: 

Measure  Flash-ADC  Performance  for  Trouble-Free 

Operation   .  3-85 

AN-216  Video  VCAs  and  Keyers  Using  AD834  and  AD811  .  .  .  6-49 
AN-217     Audio  Applications  of  the  ADSP  Family  (IIR  Filters)  .9-37 

AN-218     DSP  Multirate  Filters   9-27 

AN-219  Electronic  Adjustment  Made  Easy  with  the  TrimDAC  .  8-99 
AN-221     Power-Down  Circuit  Cuts  Power  to  AD7769  and 

AD7774    2-3 

AN-222     AD7569/AD7669  Operation  with  Offset  Signal  Grounds 

for  Disk  Drive  Applications  2-5 

AN-223     AD7575  Operation  with  an  Offset  Signal  Ground  for  Disk 

Drive  Applications   3-15 

AN-224     Input/Output  Level  Shifting  with  the  AD7769    2-7 

AN-225      12-Bit  Voltage-Output  DACs  for  Single  Supply  5  V 

and  12  V  Systems  8-35 

AN-227     Digital  Control  System  Design  with  the  ADSP-2100 

Family  9—49 

AN-228     Evaluation  Board  for  the  AD7884  16-Bit  A/D 

Converter  3-109 

AN-229     Evaluation  Board  for  the  AD7885  16-Bit  A/D 

Converter  3-115 

AN-230     Circuit  Applications  of  the  AD2S90  Resolver-to-Digital 

Converter   1645 

AN-232     Bootstrapped  IC  Substrate  Lowers  Distortion  in  JFET 

Op  Amps   4-73 

AN-233     Considerations  for  Selecting  a  DSP  Processor 

(ADSP-2101  vs.  TMS320C50)  9-77 

AN-234     Digital  Resolver  Integration   1649 

AN-235     Considerations  for  Selecting  a  DSP  Processor 

(ADSP-21020/ADSP-21O1O  vs.  TMS320C30)  9-93 

AN-236     Speed^Meas^urement  md  Control  with  the  AD2S83,  a 
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AN-237     Choosing  DACs  for  Direct  Digital  Synthesis  8-285 

AN-238     AD2xx  Family  for  RS-232  Communications   5-3 

AN-240     Considerations  for  Selecting  a  DSP  Processor 

ADSP-2101  vs.  WE  DSP16A  9-65 

AN-244  A  User's  Guide  to  IC  Instrumentation  Amplifiers  ....  10-3 
AN-245     Instrumentation  Amplifiers  Solve  Unusual  Design 

Problems  10-11 

AN-246  Isolation  Barrier  Precisely  Passes  Transducer  Signals  .  .11-3 
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